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ABSTRACT 

The problem of accu!'ate and efficient calculation of transient signal waveforms 

in microelectronic circuits consisting of arbitrarily connected systems of multiple, 

coupled transmission lines and nonlinear devices such as transistors and diodes 

has been considered. Both non-dispersive and dispersive transmission lines can 

be handled. For the dispersive case, the dispersion is due to geometric or material 

nonuniformity as well as dielectric and conductor losses which may 21so exhibit 

frequency dependence. 

A general approach has been formulated which enables the simulation of 

arbitrarily connected linear networks, described in the frequency domain in terms 

of their scattering parameters, and nonlinear networks with models described in 

the time domain. The inverse fast Fourier transform is used to obtain the impulse 

response for the frequency-dependent networks, and subsequently combined with 

the nonlinear models using convolution tecimiqu<.!s to carry out thE: sim.ulation in 

the time domain ill a time-marching fashion. 

A technique has been developed that enables the reduction of large linear net

works described in ter~s of scattering parameters into a smaller, compact descrip

tion. This makes repeated simulations very economical in terms of computational 

time. In addition, the above procedure enables the simulation of transmission 

line systems,:;ith varying cr.ossc".tion. The scattering parameters for the linear 

elements can be derived from a TEM or quasi-T1"~M field approximation for dom

inant 'l'EM structures, a full-wave analysis for highly dispersive structures and 

discontinuities, or from measurements performed on the actual structures. 

A Fortran program has been developed that can simulate arbitrarily con-
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nected lossless or lossy transmission line systems and standard SPICE2G.6 devices 

(such as bipolar, MOS, junction field effect transistors etc.) Several applications 

of the program showed that losses and nonuniformities in the cross-sectional di

mensions of the transmission lines may add significantly to the degradation of the 

signals propagated. Therefore, the simulator developed here is an indispensible 

tool for the analysis of such circuits. 



CHAPTER 1 

INTRODUCTION 

13 

The subject of electromagnetic characterization of microelectronic intercon

nections and the propagation of transient electrical signals on transmission line 

structures has received a lot of attention in the last two decades. The reason is the 

recent advances in VLSI technology which made possible the miniaturization of 

circuit components, resulting in larger device densities and higher speed signals. 

Due to these faster signals, the inteconnections between the different components 

at the chip level and, more importantly, at the package level introduce a significant 

delay which needs to be predicted accurately and taken into account during the 

design process. Moreover, since the cross-sectional dimensions of the conductors 

become smaller, in the order of a few micrometers, conductor losses need to be 

considered as well to realistically predict the attenuation of the signals. Dielectic 

losses can also be significant especially for some epoxy glass materials commonly 

employed for printed wiring boards (PWB's). Furthermore, as the risetime of the 

propagating signals become shorter, a significant part of the total energy is car

ried by the higher frequencies and therefore the electromagnetic characterization 

of the interconnections at high frequencies becomes necessary. Skin effect at high 

frequencies also becomes a factor because the skin depth is comparable to the 

cross-sectional dimensions of the conductors. This necessitates the evaluation of 

frequency-dependent parameter matrices for the lines to accurately predict dis

persion effects. A very importa..'1t consequence of the increasing circuit densities 

is the occurence of crosstalk between adjacent conductors due to electromagnetic 

coupling. All of the above effects, including reflections at the drivers and receivers 

due to impedance mismatches and discontinuities, can be very detrimental to 
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the propagated signals to the degree where false switching and loss of informa

tion may occur. It is therefore imperative that accurate characterization of such 

multi-conductor transmission line structures be performed. In addition, simula

tion programs to accurately predict the shape of the propagated signals in circuits 

containing arbitrarily connected transmission line structures and nonlinear devices 

such as transistors and diodes, become very instrumental and enable the designer 

to gain insight into the operation of a circuit early in the design process. The 

developement of such a simulator was the goal of this work. 

In this dissertation, a general approach was adopted, in which the network 

to be simulated is split into two major categories: a) Networks which contain 

linear or nonlinear elements with models specified in the time domain (such as 

BJT's, MOSFETS, diodes etc.,) and b) networks which are linear and are more 

conveniently described in the frequency domain (such as lossy transmission lines). 

The scattering parameter matrix is used to describe the frequency models for this 

second category of networks. A procedure to combine the frequency and time 

domain models has been developed which is based on the inverse fast Fourier 

transform (IFFT) and tir!.: :; domain convolutions. 

Chapter 2 presents some fundamentals of transmission line theory. Chapter 

3 introduces some familiar circuit representations of linear networks and focuses 

on the theory and properties of scattering parameters (s-paramateres). Chapter 

4 developes the s-parameter models for several linear elements like resistors, in

ductors, capacitors, dependent voltage and current sources and lossy transmission 

lines (both TEM and non-TEM). Chapter 5 explains how circuit simulation is per

formed, based on the s-parameters, in both the frequency and time domains. The 

relevant equations are formulated. In addition, the method to develop compact 
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s-parameter representations of large complex networks is presented. The resulting 

"macros" enable significant computational time savings, usually an order of mag

nitude ·,:eduction in the CPU time. Furthermore, they facilitate the simulation 

of nonuniform transmission lines. This is accomplished by splitting the lines into 

pieces of uniform cross-section and developing a "macro" for the overall circuit 

formed by cascading the individual uniform transmission line sections. Chapter 6 

reviews the Fourier Transform and some of its properties, and briefly introduces 

the subjects of signal filtering and the reduction of the duration of the impulse re

sponse. Chapter 7 describes how the time domain models for the nonlinear devices 

are combined with the s-parameter models for the transmission lines and other 

linear elements. Two closely related methods were investigated for this purpose. 

In the first one, a set of time varying current controlled voltage sources (CeVS) or 

voltage controlled current sources (VeeS) is derived from the s-parameter network 

after its impulse response has been found and is then combined with the nonlin

ear part of the circuit. In the second method, a generalized Thevenin equivalent 

circuit is derived at each point in time for the nonlinear part of the circuit and is 

then combined with the impulse response of the s-parameters. Even though the 

inpulse response signals are available only at a uniform time grid arising from the 

inverse Fourier transform, it is shown that the time step of the simulator does not 

have to be restricted to conform to that grid. Chapter 8 treats the special case of 

lossless lines separately since no convolutions are necessary in that case because 

the impulse response of the s-parameters are just delta functions which greatly 

simplify the equations. It is also shown how a SPICE compatible sub circuit can be 

easiiy generated for a lossless transmission line system. Finally chapter 9 presents 

several applications of the simulator developed during this work. The simulator is 
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written in Fortran 77 and uses the SPICE2G.6 "engine" to simulate the nonlinear 

devices which can be arbitrarily interconnected with several systems of lossy, uni

form or nonuniform transmission lines. Some comparisons are made with other 

programs to validate our method. The "macro" capability of the program and its 

advantages are also demonstrated. 



CHAPTER 2 

TRANSMISSION LINE FUNDAMENTALS 
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Microelectronic interconnections at the chip or package level are modeled as 

coupled transmission lines in a layered dielectric medium. Figure 2.1 shows how a 

typical VLSI interconnection system embedded in several dielectric layers might 

look. The structure might be open at the top or bottom with only one finite or 

infinite ground conductor as the return path for the current, or the lines might be 

sandwiched between 2 ground/power planes. 

GroundIPower plane 

GroundIPower plane 
Dielectric layers 

Figure 2.1 Typical geometry of VLSI interconnections 

Transmission lines are essentially waveguiding structures for guiding electro-
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magnetic energy from one point to another. For a given structure, several modes 

may propagate which can be found by solving Maxwell's equations subject to the 

appropriate boundary conditions for the particular structure. The number of pos

sible modes that are excited depends on the frequency of operation. In general, for 

a structure consisting of N active conductors plus a ground conductor (or ground 

plane) the first N modes that exhibit a zero cutoff frequency are considered the 

fundamental modes for the structure. 

To simplify the analysis, il.; is usually assumed that the longitudinal compo

nents of the electric and magnetic fields are neglibible. In that case, the fields 

are termed TEM, meaning that only the transverse components of the fields are 

present. Such pure TEM field distribution is possible only if the conductors are 

perfect (0' = 0) and the dielectric medium is homogeneous (€, /1- are constant) or 

inhomogeneous in such a way that the product of the magnetic permeability /1-, 

and the electric permittivity €, is constant as was shown by Lindell [7]. Moreover, 

at least 2 conductors (including the ground) need to be present. In the TEM 

case, the per unit length inductance and capacitance matrices L and C respe~

tively can be calculated from the solution of static problems. Even in the case 

of an inhomogeneous dielectric it is usually true that for the frequencies of inter

est in digital applications, the longitudinal components of the fields are negligible 

compared to the transverse ones [39], and a similar analysis can be performed us

i:ag the concept of an effective dielectric constant as was shown among others by 

Lindell [8] and Brews [4]. Lindell used an asymptotic series expansion of the fieids 

to show that the quasi-TEM approximation is valid if the transverse dimension 

of the structure is small compared to the wavelength of the propagating fieldl:;. 

Conductor losses are accounted for by the use of the resistance matrix R, while 



19 

dielectric losses give rise to a conductance matrix G. Skin effect, due to finite 

conductivity and the redistribution of the current at high frequencies is modeled 

through a frequency-dependent resistance matrix ([13], [14]). Under the quasi

TEM field approximation, voltages (with respect to the reference conductor) can 

be defined meaningfully at each cross-section of the conductors. Consequently, 

Maxwell's equations can be transformed into the well known transmission line 

equations ([1], [4]) relating the current and voltage vectors along the conductors 

axes. These equations are shown below in phasor form for time harmonic excita-

tion 

where 

dV~:,w) = Z{w)I(x,w) 

dI~;w) = Y(w)V(x,w) 

(2.1a) 

(2.1b) 

Z(w) = R(w) + JwL(w) and Yew) = G(w) + JWC(w) (2.2) 

with R, L, C and G being the per unit length (p.u.!) resistance, inductance, 

conductance and capacitance matrices for the line system and w is the angular 

frequency in radians per second. The time dependence e1wt has been assumed and 

supressed in (2.1). 

In the case where R, L, C and G are independent of frequency the above 

equations can easily be transformed into the time domain to read: 

oV(x, t) = RI( ).: I DI(x, t) 
Ox x, t ..... at (2.2a) 

aI~~t) = GV(x,t) + cOV~,t) (2.2b) 

However, if the matrix parameters in (2.1) are frequency dependent, it is unclear 

how to analytically obtain an equivalent system of equations in the time domain. 
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To complicate the matter even further, the R, L, C and G matrices might also 

be functions of position along the propagating direction x. This case arises if the 

conductors have varying cross-sectional dimensions, i.e., if they are nonuniform. 

In that case, it is possible to show that if the rate of change of the cross-sectional 

dimensions along the propagation axis is very small, then the transverse current 

density is negligible compared to the longitudinal current density [42], therefore 

the quasi-TEM assumption is still valid. 

The subject of developing numerical procedures and tools to calculate the 

above matrix parameters has been studied by numerous researchers ([1]-[17]) and 

is still pursued. The focus at the present time is on full-wave analysis, or so called 

non-TEM analysis to study the dispersion characteristics of inhomogeneous mi

crostrips and striplines. To obtain the frequency dependent parameters R and L 

a quasi-magnetostatic problem needs to be solved as in [14]. Full-wave methods 

have also been reported that calculate the N fundamental eigenmodes and eigen

vectors ([11],[15],[16], [17]). Even though full-wave methods are computationally 

intensive, their advantage is that the quasi-TEM assumption can be checked by 

verifying that the longitudinal field components are indeed negligible compared 

to the transverse components. If this criterion is met, an equivalent transmission 

line representation can still be derived for the coupled lines in terms of equivalent 

voltages arld currents as in (2.1). These equivalent voltages and currents may 

not have physical meaning [33]; however, they provide for a unified transmission 

line-based waveform simulation analysis of the interconnect n.etwork. 

After the transmission line system is characterized by its matrix parameters a 

method is needed to perform transient analysis on the overall circuit, including the 

terminating loads which may be nonlinear. Several methods have been suggested 
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in recent years to study pulse propagation in transmission line circuits which 

are terminated with linear or nonlinear devices ([18]-[36], [41]). A significant 

portion of the studies reported in the literature focused on lossless transmission 

lines ([25],[26],[29],[30],[36],[45]). Specialized programs are available to aid the 

studies via simulation of systems with lossless lines. The more difficult case of 

lossy transmission lines involves the problem of combining the frequency domain 

representation of the transmission lines with the time domain models that are 

available for the terminating circuits. Gruodis and Chang [18], suggested the 

use of rational polynomials to achieve this. Djordjevic et al. ([20],[21]), used 

Green's functions and discrete time convolutions. Inverse Laplace Transforms were 

used by Griffith and Nakhla [31]. A number of authors employed the scattering 

parameter representation for the transmission lines. Among them are Shutt-Aine 

and Mittra [27] and Dhaene and De Zutter [34]. Dh and Shutt-Aine [36], also 

extended the s-parameter method for lossless nonuniform lines. Cook [46] also 

developed an s-parameter formulation; however the terminations are restricted 

to linear elements. The generalized method of characteristics has been used by 

Chang [19] to simulate lossy uniform lines. Orthanovic et. al. [35], extended 

the method for the case of nonuniform conductors. Carin and 'Webb ([32],[33]) 

reported models for non-TEM transmission lines. However, in most of the papers 

published, the focus has been on the developement of the transmission line models 

and very few general procedures or reSUlts have been shown involving simulation 

of lossy lines and arbitrary nonlinear loads. Among the first to develop such a 

procedure was Baumgartner [47] who combined lossy transmission line simulation 

with standard SPICE3 nonlinear elements using the Inverse Fourier Transform 

a:!d convolution techniques. 
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The method presented herein more closely follows on the approach undertaken 

in [46], [47] and [27]. However, significant improvements, enhancements and gen

eralizations of these previously reported efforts have been made in this work. The 

scattering parameter method is generalized to include not only transmission lines 

but any other elements that can be described in the frequency domain in terms of 

s-parameters. The s-parameters can also be derived from full-wave analysis using 

the eigencurrents, eigenmodes and the characteristic impedance. Furthermore, in 

contrast to [27], the s-parameter definition is such that measured s-parameters, for 

structures difficult to model using three dimensional parameter extraction tools, 

can also be incorporated into the analysis. In addition, compact macro models 

for nonuniform lines (lossless or lossy) and other complex linear circuits can be 

easily developed and incorporated into the analysis. This "macro" capability of 

our simulator can reduce the simulation time by more than an order of magni

tude in cases where repeated parametric studies are needed for the same macro 

model. The convolution procedure customarily used in previous efforts was mod

ified so that it does not restrict the timestep of the simulator to multiples of the 

inverse Fourier transform sampling tiw.e .. Prol;>ably the most important feature of 

this simulator is the fact that it uses the SPICE2G.6 "engine" and therefore all 

models for linear and nonlinear devices supported by SPICE can be used in the 

simulation in a straight forward and familiar manner. 
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CHAPTER 3 

INTRODUCTION TO MULTIPORT REPRESENTATIONS 

This chapter gives an overview of several possible circuit representations for 

a linear multiport. These representations are well known and available from the 

literature. They are presented here for the sake of completeness and for future 

reference in subsequent chapters. The main focus is on the scattering parameter 

(s-parameter) representation and its properties, since it is the one that is utilized 

extensively in this dissertation. Transformations between the Thevenin circuit 

and s-parameters as well as renormalization of s-parameters are presented. 

3.1 Vector Notation 

We will now establish some vector and matrix notation to be used throughout 

this manuscript. Any necessary departures from this notation, will be clearly 

stated when they occur. A column vector in an N-dimensional space will be 

denoted by a lower case bold letter: 

A square N by N matrix will be denoted by un upper case bold letter: 

A = [!~: !:; !::] 
AN! AN2 ANN 

The transpose and the transpose conjugate of a <:olnmn vector are row vectors 

and will be denoted by 
aT = {al a2 ... aN} 

at = {ara; ... aN} 
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where the superscript 'T' is used for the transpose, the superscript 't' is used 

for the transpose complex conjugate and the superscript ,*, means the complex 

conjugate. In a similar fashion, the transpose complex conjugate of a square N by 

N matrix will be denoted by 

3.2 Generalized Thevenin and Norton circuits 

Consider the multiport of figure 3.1. The volume V may contain an arbitrary 

linear network. Since we assume time harmonic variation of the signals, this is 

the equivalent circuit of the network at a single frequency. 

Port 2 

VI + 

Linear 
Active 

Network 

PortN 

Figure 3.1 Defining the Thevenin and Norton circuits for a linear network 

Let us denote the actual voltage and current vectors at ports 1 through N by v 



25 

and i respectively such that 

v = { ~: } , i = { :n . 
vN IN j 

It is possible to find a matrix Z and a vector Vth relating v and i by 

v = z· i+Vth. (3.1) 

We call this the generalized Thevenin equivalent circuit for a linear active network. 

The source vector Vth will be zero if no independent current or voltage sources 

exist inside the network (i.e. if the network is passive). The matrix Z has the 

form 

where 

ZN2 

Vkl Zkj=~. -0 :F 0 -1 N,k=1,2 ... N Zj Im- ,m J,m- ,0 •• ,j=1,2 ... N 

with all independent sources turned off (i.e. voltage sources shorted and current 

sources opened). The source vector Vth contains the open-circuit voltages at each 

port. Notice that to measure Zkj, all ports except port k have to be open-circuited. 

Another possible way to express the relationship between v and i is the following: 

i =Y ·v+in , (3.2) 

which is the generalized Norton representation of the circuit. The elements of the 

admittance matrix Yare given by 

ik I Ykj = - 0 v. vm =0,m:FJ,m=1,2 ... N 
J 

-------- ---------
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with all independent sources inside the circuit turned off. The vector in contains 

the currents that would flow from the ground towards the network if all ports were 

shorted to ground. Notice that to measure Ykj, all ports except port k have to be 

shorted to ground. It is simple to show that 

y = Z-l, z = y-l, 
(3.3) 

Vth = -z· in and in = - y. Vth 

because the two representations are equiv-alent. However, for certain elements, 

either Z or Y can be singular. That is where the scattering parameters are useful 

because they are defined for any element. 

3.3 Scattering parameter representation 

Another commonly used choice of variables to describe the behavior of mi-

crowave circuits is the selection of the incident a, and scattered h, wave amplitudes 

as shown in figure 3.2. 

Linear 
Active 

Network 

Figure 3.2 Defining the s-parameters for a linear network 

These are complex vector quantities representing waves that travel on infinitesi

mally short sections of lossless transmission lines as shown in figure 3.2. The real 

characteristic impedances of these reference lines are Zrl through ZrN. The choice 

- -- .'--- - -_._------- ----.---
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of these impedances is arbitrary and the relationships between the actual voltages 

and currents and the incident, ak, and scattered, bk, waves at the kth port are 

defined as 

vk = ~(ak + bk) 

ik = ~(ak - bk) 
yZrk 

(3.4) 

(3.5) 

where Vk, ik and Zrk are the voltage, current and characteristic impedance for the 

kth port respectively. The inverse relationship is 

(3.6) 

(3.7) 

Let us define a diagonal matrix whose diagonal elements consist of the reference 

impedances Zrl through ZrN and its square root as follows: 

o 
Zr2 

o I] [

.jZ;; 0 
.1 0 ..jZr2 

Z2-
r - • 

o 0 lJ 
Notice that the square root of the Zr matrix is defined since Zrk > 0, i -

1,2, ... , N. Equations (3.6) and (3.7) can now be put in matrix notation 

and the inverse relationship is 

.1 
V = Z~ (a+ b) 

• _1 ( b\ 
1= Zr:l a - I 

1 ( -.1 .10) b = 2 Zr 2 V - Z~ I • 

(3.8) 

(3.9) 

(3.10) 

(3.11) 
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In more general terms, the reference impedance matrix Zr need not be restricted 

to a diagonal form. The incident and reflected waves could be defined using the 

above equations and a full reference impedance matrix. The necessity for such a 

generalization will become obvious when dealing with multiconductor transmission 

lines. The a and b waves are related through the so called scattering parameter 

matrix (or s-parameter matrix) S by 

b = Sa+ b s • 

The matrix S is of the form 

821 s= 
[

8 11 

.8~1 

(3.12) 

where 8ij = ~ I -0 k..J.· with all sources inside the network turned off. The 
aJ ak- , rJ 

source vector b s contains the scattered waves that would be coming out of the 

ports if all ports were terminated with their characteristic impedance, therefore 

eliminating all reflections and forcing a to be zero. The physical interpretation 

of the s-parameters is as follows: 8ij is the transmission coefficient from port j to 

port i when all ports except port j are terminated with their respective nominal 

impedances (therefore eliminating all reflections except at port j). Likewise, 5ii 

is the reflection coefficient looking into port i when all other ports are match 

terminated. 

Of course all the aforementioned multiport representations are equivalent and 

it is generally possible to convert from one representation to another. The reason 

the s-parameter matrix is most often used in microwave engineering practice is 

that it is more convenient to measure than Z or Y matrices since the inter-

nal impedance of the measurement probes is easier to construct (say 50 or 75 
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Ohms) than a short or an open at high frequencies. In addition, the uniqueness 

of the definition of voltage and current breaks down at high frequencies even for 

waveguiding structures that are strongly TEM. 

3.4 Properties of S-parameter Matrix 

The waves a and b defined in (3.8) and (3.9) are called power waves because 

their square has the units of power. The a waves are associated with the power 

entering the port while the b waves are associated with the power leaving the port. 

Specifically, for port k the incident and scattered powers are given respectively as 

The net power entering port k is given by 

p = ~Re{ Vk . ik} = ~Re{ (ak + bk)(ak - bk)} 

= ~Re{ lakl2 -lbkl2 + bkak - akbk} 

= ~(lakI2 -lbkI2) 

= p+ -p-

since the term bkak -ak bk in the second line of the above equation is imaginary. We 

can thus assosiate the incident power with the incident wave ak and the scattered 

power with the scattered wave bk. 

3.4.1 Reciprocity 

From Lorentz's reciprocity theorem it can be shown that for reciprocal net-

works the scattering matrix S is symmetric [37], i.e. 

(3.13) 
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3.4.2 Lossless Networks 

The total complex power entering a multi port can be expressed in terms of 

the incident and scattered waves at each port. If ak and bk are the power waves 

associated with the kth port, the total power delivered to the multiport is 

N N 

P = ~ LVkik = ~ L(ak + bk)(ak - bk) 
k=1 k=1 

or in vector notation 

Multiplying out we obtain 

which can be rewritten as 

N ow it becomes clear that the first two terms in the parenthesis are real numbers 

while the last two terms combine into an imaginary number. For a lossless circuit, 

the real power dissipated in the multiport must be equal to zero. Therefore, 

(3.14) 

Recalling that b = Sa and b t = atSt , (3.14) is rewritten as 

(3.15' 

Since the above must hold true for all vectors a, it must be true that for lossless 

networks the s-parameter matrix should satisfy 

sts = U * 8-1 = st (3.16) 
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where U denotes the identity matrix. For a loss less network that is also reciprocal 

the transpose complex conjugate of 8 reduces to just the complex conjugate. 

Equation (3.16) then becomes 

8-1 = 8*. (3.17) 

3.5 Relationship Between Z and 8-parameters 

A linear active network can be characterized in terms of its Z or 8 matrices. 

The relashionships that the vectors v, i, a and b must satisfy are repeated below 

v = Zi+Vth (3.18) 

b = 8a+ b s (3.19) 
1 

v = Zi (a+ b) (3.20) 
1 

i = Z;2 (a - b) (3.21) 

Solving for the incident and reflected waves from (3.20) and (3.21) in terms 

of voltages and currents, substituting the results into (3.19) and manipulating the 

result to express v in terms of i we arrive at 

(3.22) 

Comparing (3.22) with (3.18) we can identify the desired impedance matrix and 

Thevenin voltage vector in terms of the s-parameter matrix and source vector as 

z = Zl (U - S)-l(U + S) Zl 
Vth = 2Zl (U - 8)-1 b s 

(3.23) 

(3.24) 

The inverse relationship is obtained by using a similar procedure. Substitut-

ing (3.20) and (3.21) into (3.18), solving for b in terms of a and then comparing 



the result with (3.19) we obtain 

S = (z;:-~ zz;:-~ + u) -1 (Z;:-t ZZ;:-t - u) 

bs = (Z;:-tZZ;:-~ + u) -1 Vth 

32 

(3.25) 

(3.26) 

In (3.23), the factors (U - S)-l and (U + S) can be interchanged without 

affecting the result. This follows from the fact that (U -A) and (U +A) commute 

for any matrix A, i.e. 

and 

(U -A)(U +A) = (U +A)(U - A) 

(U - A)-l (U + A) = (U + A) (U - A)-l 

3.6 Renormalization of S-Parameter Matrices 

3.6.1 Power wave formulation 

(3.27) 

(3.28) 

Frequently, the need arises to convert s-parameters defined over a certain 

nominal impedance matrix, to s-parameters defined over a different impedance 

matrix. This occurs naturally when measured s-parameters need to be incorpo

rated into the simulation. The reason is that s-parameters are usually measured 

over a nominal impedance of 50 Ohms while in simulation we usually use 1 Ohm 

for the nominal impedance to simplify the calculations. 

Consider the network A in figure 3.3 below. In the figure on the left, a 

diagonal impedance matrix Zr1 is used to define the s-parameters while on the 

right, the matrix Zr2 is chosen. 



Linear Network A 

Z, VtIt 

/ " r---------~ r--------~ 

Linear Network A Linear Network A 

Figure 3.3 Renormalization of s-parameters 

The two s-parameter matrices are defined as follows: 
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One way to find the relashionship between 8 1 and 8 2 is to observe that the 

equivalent z-pararneters must be identical for both s-parameter representations 

since the Thevenin circuit does not depend on any reference impedance. Using 

(3.23 ) we deduce that 

Z = Z;l (U - Sl)-\U + 8 1) Z;l = Z;2 (U - 8 2)-1(U + 8 2) Z;2 

and Z~l (U - 81)-1 b a1 = Z~2 (U - 8 2)-1 ha2 

(3.29) 

(3.30) 

Solving for 8 2 and ha2 in terms of 8 1 and hal we obtain the renormalized 

matrix 

8 2 = (K - U)(J( + U)-l (3.31) 

where 

(3.32) 



and the renormalized source vector 

bs2 = (U - S2)Z;}Z:1 (U - Sl)-l bs1 

= (U + S2)Z;2Z~t (U + Sl)-l bs1 
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(3.33) 

Even though the expression in (3.31) is correct, it can lead to problems under 

certain circumstances. The reason is that the quantity K involves the impedance 

matrix which may not exist (i.e. (U - S) is singular) for elements that do not 

have an impedance representation, like a series impedance element for example. 

In that case, even though we know that it should be possible to transform Sl into 

S2, numerically that expression will not work. Equation (3.31) can be modified 

to avoid this problem as folows: The unity matrix U can be rewritten as: 

Inserting this expression into (3.31), and because of the fact that the matrices 

(U - S)-l and (U + S) commute, (3.31) becomes 

S2 = [Z;:;tZ;l (U + Sl) (U - Slr1Z:1 Z;:;t_ 

Z:2Z~t (U - Sl)(U - Slr1Z:1 Z;:;~]. 

[Z;2tZ:l (U + Sl)(U - Slr1Z:1Z;2t + 

Z:2Z;" ~ (U - SI)(U - SI r
1 
Z:l Z;}] -1 

-1 1. -1. 
After the quantity (U - Sl) Z;lZr22 is factored out from each bracket, we 

arrive at the result 

s, = [ Z;:,' Z,!, (U +S1) - Z,!,~,t (U - S0 Hz;.} Z:, (u +S1) +Z1Z~,! (u - S1) ]-' 
(3.34) 



35 

which is much simpler computationally since it involves only one full matrix mul

tiplication and one matrix inversion, while (3.31) requires 2 multiplications and 2 

inversions. 

3.6.2 Voltage wave formulation 

It should be mentioned here that the incident and scattered a and b wave 

vectors can be defined as voltage waves instead of power waves. In that case, 

equations (3.8), (3.9), (3.10) and (3.11) are modified to read 

v=(a+b) (3.35) 

i = Z;1 (a - b) (3.36) 

a= Hv + Zri) (3.37) 

b = Hv -Zri). (3.38) 

Using an analogous derivation, the transformation equations (3.23), (3.24), 

(3.25) and (3.26) between z and s-parameters become 

Z = (U - SrI (U + S) Zr (3.39) 

Vth = 2(U - srI b s (3.40) 

and 

S = (ZZ;1 + U) -1 (ZZ;1 - U) (3.41) 

b a = (ZZ;1 + U)-lvth (3.42) 

while the renormalization formula (3.34) transforms into 

(3.43) 
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The renormalization equation (3.43) would give identical results with (3.34) 

only in the case where the reference impedance matrices Zrl and Zr2 are diagonal 

with all elements equal. In other words, they would be of the form Zrl = Cl U 

and Zr2 = C2 U where CI and C2 are some constants and U is the identity matrix. 
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CHAPTER 4 

S-PARAMETER MODELS 

In this chapter, s-parameter models for linear elements, independent sources, 

dependent sources and coupled, lossy, transmission lines with frequency dependent 

parameters are derived. Some of these models are listed in [40], [44] and [46]. Our 

presentation goes beyond the models available in the literature in the sense that 

generalized expressions are derived for circuits with sources both independent 

and dependent. Moreover, s-parameter matrix representations are derived for 

multiconductor TEM and non-TEM guiding structures using "physical" scattering 

parameters at the ports, in contrast to the "mathematical" modal s-parameter 

representation in [27]. 

4.1 Linear Resistors, Inductors and Capacitors 

The generic impedance element shown in figure 4.1 can represent any linear 

resistor, inductor or capacitor. 

81 11 12 8 2 • • 'II :III 

Z[ 0 Z 0 Z[ 
.. + + • b1 

V1 V2 
b2 

-1 
Figure 4.1 Circuit used for finding S matrix of a series impedance. 
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In the frequency domain, the defining relations between the voltage V( w) and 

current I( w) for each of these elements are shown below. 

Yew) = RI(w) 

Yew) = JwLI(w) 

I(w) = JWCV(w) 

where R, Land C can also be functions of frequency if desired. As in elementary 

circuit theory an impedance Z can be defined for each of the above elements 

Z = R(w) for a resistor, 

Z = JwL(w) for an inductor, 

1 
and Z = JWC(w) for a capacitor. 

The impedance of figure 4.1 is a two port network therefore it is described by 

a 2 by 2 s-parameter matrix. In addition, since this network is reciprocal, we only 

need to derive 811 and 812 since the 8 matrix will be symmetric, i.e. S22 = S11 

and S21 = 812. Applying Kirchhoff's voltage and current laws we obtain 

The relationship bet tween voltages, currents and a and b waves is 

VI = (al + bdv%, V2 = (a2 + b2)v% 

and II = (al - bd/v%, h = (a2 - b2)/$r 

(4.1) 

(4.2) 

(4.3) 

(4.4) 

where the left and right port nominal impedances were assumed identical and 

equal to Zr. Substituting VI, V2, II and h from equations (4.3) and (4.4) into 



(4.1) and (4.2) we have 

Expressing b1 in terms of al and a2, we obtain the desired relation 
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(4.5) 

(4.6) 

(4.7) 

from which we can identify 811 and 812 as shown above. In the case where one 

of the ports is shorted or open circuited as shown in figure 4.2 below, the circuit 

becomes a one port, thus only one s-parameter is needed, namely 811 . Using the 

same equations and the fact that a2 = -b2 if port 2 is shorted (since V 2 = 0) and 

a2 = b2 if port 2 is opened (h = 0) one can easily verify that 

Sl1 = (~ ~ ~:) 
and Sl1 = 1 

0.-.----1 .. z 

for the short circuited two - port 

for the open circuited two - port 

z 0.-.----1 
• 

Figure 4.2 Short and open circuited impedance element. 

IrO 
0--
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4.2 Independent Sources 

4.2.1 Voltage Sources 

2L 
82 

• 
Z 

+ • 
V2 b2 

Vs ~- (a) 

h 
81 • 

~ 

Z 
+ • 
Vl b1 

..i-

II 
81 

11 
a1 

• • -- ---Z Z 

+ II + • 
V1 b1 

Vs 
V1 b1 

1:- 1:-Vs 

(b) (c) 

Figure 4.3 Independent voltage sources. 

Figure 4.3a below shows an ideal voltage source. The a and b waves are again 

defined over an impedance of value Zr for all the ports in order to simplify the 

calculations. Starting with the two-port voltage source of figure 4.3a, the rela-

tionships between currents, voltages and a and b waves are identical to equations 
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(4.3) and (4.4), while Kirchhoff's voltage and current laws (KVL and KCL) for 

this circuit give 

and 12 = -II. 

(4.8) 

(4.9) 

Substituting the currents and voltages from (4.3) and (4.4) into (4.8) and (4.9) 

we arrive at the following system of equations 

(4.10) 

(4.11) 

Solving the above system for bl and b2 and putting the result into a matrix form 

we have the following model for the ideal voltage source. 

(4.12) 

In the case where one of the ports is shorted to ground as shown in figure 4.3b, 

the voltage source becomes a one port element. For that case it is trivial to show 

that. 

Vs 
b l = -al + fi'l' 

yZr 
(4.13) 

Finally, a nonideal voltage source as shown in figure 4.3c can be modeled either 

by connecting a series impedance in series with it and using the constituitive 

equations for each element separately or the whole combination can be treated as 

a one port. The first approach is more general but results in more unknowns in 

the final formulation. For the second approach we simply have 

V ~Z ( b ) d 1-- (al - b l ) = V r al + 1 an ..;z; (4.14) 
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and from KVL 

v =Vs +IZs (4.15) 

Substituting V and I from (4.14) into (4.15) and solving for b in terms of a, we 

obtain the desired relationship 

b (
Zs-Zr) ~ V = a+ s 
Zs + Zr Zs + Zr 

(4.16) 

It can be easily checked that (4.16) reduces to (4.13) for the case where Zs is zero. 

11 
a1 

• --=- Z 
+ .. 
V1 b1 

1.:-

(b) 

Figure 4.4 Independent current source. 

For the independent current source of figure 4.4a we express the currents II 

and 12 in terms of a and b waves and then we use the fact that II = Is = - h to 

get 

(4.17) 

Solving for b1 and b2 we get 

(4.18) 
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In the case where one port is shorted as in figure 4.4b, the element can be treated 

as a one-port, and the defining relation reduces to the trivial result 

(4.19) 

4.3 Short and Open Circuits 

For an ideal short circuit, the voltage at the shorted port must be zero, while 

for an ideal open circuit the current is zero. From these simple facts we then have 

that 
b=-a for a short circuit, 

(4.20) 
and b = a for an open circuit 

Therefore, an arbitrary multi port which has a certain number of ports shorted or 

open circuited can be treated in two ways. In the first approach, conditions (4.20) 

are applied and the s-parameters are calculated taking that into account. The 

m-port is thus reduced to an (m-k)-port where the k is the sum of short and open 

circuited ports. One drawback of this approach is that the information about 

voltage and curreilts at the open or shorted ports has been lost and no element 

can be connected to these ports any more, i.e., these ports are inaccessible. The 

second approach is to calculate the s-parameters first and then apply condition 

(4.20) as an interconnection restriction. This approach results in more unknowns 

but is more general. 
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4.4 Dependent Sources 

In this section, the s-parameters for the four kinds of dependent sources are 

derived. Figures 4.5 and 4.6 below show the general form of a linearly dependent 

current or voltage source. The reference impedances at all ports are omitted 

to simplify the figures. In the derivations below, all reference impedances are 

assumed to be 1 Ohm. 

a) 

b) 

,..---_D Port 1 .. 

1.---0 Port 2 .. 

Port 1 
---t.~ 

(k) (m) 

th • 

~~.~~:,~.,. 

.~~ ... ~::::. :Port i b(~) 

! I 

~-....... -... -... --.. -.. -.. -.. ~ 

r· .. ·· .. ·· .. ·"~~; .... ·· .. i 
. a' . 
i (k) -2.. i 
:",(10-- : 
: Yj ••• i 
: ~ : 
ip t' (k) : i or I b i : i., ... ;;, ............. : 

It IIlUl.t1port 

Vs = K.(Vj - Vj} 
... L."~~ .. ~.l::.-!-~rt 
! (m)! 

Port 2 
---t.~ 

: a- : 
i (m) --l. i 
. V· 0 . : J • •• : : ~ : 
ip . (m) i 
: ortJ b. : 
: I: 
"' .................. 10:: ••••••••••• 

Figure 4.5 a) Current controlled voltage source (ICVS). 

b) Voltage controlled voltage source (VCVS). 
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b) 

Port I ---I." 

(k) 

I -K·Io s- I 

L...---o Port 2 .. 

81 .. 
Port I 

• 
b1 

(k) (m) 

I =K·(V.-Vp S I 

.. 8 2 
Port 2 .. 

b2 

(k) (~) 

I 
3. . -----!.-o---....-

:Porti b(~) 

I I 

'-•••••••••••••••••••••••••••• .!' 

r·············~~;········1 
. a' . 
: (k) ~ : , --- , 'v: 0- ' : i ... : : ....- : 
:P , (k) ! 
: ort I b. : 
: I: I., .................. . 

t:h . 
k IIlU1t:1port: 

t:h 
... L..~ ..... ~::~~~ 
: (m): 
: 3 J• : 
: (m) _____ : 

'V· 0- ' : J • •• : : .....- : 
:P . (m) : i ortJ b· i 
••••••••••••••••• J ......... .. 

Figure 4.6 a) Current controlled current source (ICIS). 

b )Voltage controlled current source (VCIS). 
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The value of the voltage, Vs, or current, Is is allowed to depend linearly on 

either the current through another port, or the voltage between any two ports. 

In the most general case, the controlling current, Ie, or voltage, Ve, can be the 

current through any element, or the voltage between any nodes in the circuit. 

However, the discussion that follows will be limited to the following cases: 
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i) The controlling current, Ie, can be any branch current flowing into a two-port 

element. Similarly, the voltage can he any voltage across a two-port element. 

ii) The two-port element mentioned above can be a passive element (resistor, 

capacitor, inductor, single transmission line), independent current or voltage 

source, but not another dependent source. 

The above dependent sources are adequate for modeling most practical cir

cuits, including transistor circuits. With the above restrictions, the simplified 

configuration for the four kinds of dependent sources are shown in figures 4.7 and 

4.8 below. 

...---0 Portl .. 

th 
/ k two-port 

. .JI.. ........ -- ............... . 

~ Ie 

• (k) I t (k) 
__ -I .. ~Port Z • bZ t az 

b2 : .......................... . 

a) 

r-----O Port 1 .. 

• 
8 2 

PortZ .. 
b2 

b) 

Figure 4.7 a) IeVS controlled by current through a two-port. 

b) VCVS controlled by voltage accross a two-port. 

th 

r./.~ ... ~:~.~:~~ 
(k) I t (k) ! 

;: bi I 

(kd t (k) ! 
bz t az l 

.. ___ ... _ ...... ____ .. ___ ._ ...... J 



....----0 Port 1 .. 

I...-----'D Port 2 .. 
a) 

.. ......................... . 

,..----0 Port 1 .. 

'---~DPort 2 .. 

b) 

Figure 4.8 a) ICIS controlled by current through a two-port. 

b) VCIS controlled by voltage accross a two-port. 
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(k) I t (k) 

b2 t a2 
\0 ......................... ... 

The general model for all four dependent sources will then take the following 

form: 

(4.21) 

where S8 and Sm are 2 by 2 matrices, and the superscript (k) is used for the 

quantities pertaining to the controlling port(s). 

4.4.1 Current controlled voltage source (ICVS). 

Referring to figure 4.7a, the kth two-port is described by the relation 

[
b(k)] [S(k) 1 _ 11 
b(k) - S(k) 

2 21 

(4.22) 

For the dependent voltage source, the relationship between a and b waves is 

given by equation (4.12) which is repeated below, for the case where all refer

ence impedances are chosen equal to 1 Ohm. 

(4.23) 
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Expressing V 8 in terms of the controlling current Ie and eventually in terms 

of the a and b waves of the kth multiport we obtain 

[~~] = [~ ~] [:~] +~ [~!:~ =~I:n (4.24) 

Furthermore, equation (4.22) is used to eliminate b~k) in (4.24). The result is 

manipulated to conform to the general form of equation (4.21). Therefore, the 

- 12 a l - 81 S(k)] [ (k)] K [ b (k) ] 

S~~) ~k) + 2" b~~) I ________ 

(4.25) 

In the case where the controlling element is a one-port, equation (4.25) reduces to 

[ 
bl] = [0 1] [al] + K [1 - S~~)] a (k) + K [-b~~) ] (4.26) 
b2 1 0 a2 2 S(k) _ 1 1 2 b(k) 

_____ ,11 I , 81" 

Sa S: ~ 
When the controlling element is a two-port we have the following cases: 

Controlling 2 - port 

Passive: 

I - source: b _K[Is] 
8 -"2 -Is 

V - source: Sm == ~ [_ ~ - n, bs == ¥- [ -~:] 
When the controlling element is a one-port we have the following cases: 

Controlling 1 - port 

Passive: S - K [ S12] 
m - '2 -S12 b8 == [~] 

I - source: b _K[Ia] 
s -"2 -I. 

V - source: 
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4.4.2 Voltage controlled voltage source (VCVS). 

Referring to figure 4.7b, the kth two-port is again described by equation 

(4.22), and the dependent voltage source by equation (4.23). Remembering again 

that the reference impedances were chosen to be 1 Ohm and that the controlling 

voltage is Vc = Vi - Y2, (4.23) takes the form 

1 al a 1 1 - ~ 2 
[ b] [ 

0 
1] [ ] 

K 
[ 

(k) + b(k) (k) _ b(k) ] 

b2 = 1 0 a2 +"2 a~k) + b~k) _ a~k) _ b~k) (4.27) 

Equation (4.22) is then used to eliminate b~k) and b~k) in (4.27). The result is 

again manipulated to conform to the general form of (4.21). After some algebraic 

manipulations, the model for the VCVS takes the following form: 

K [b(k) _ b(k)] 
+ 51 52 "2 b(k) _ b(k) 

, 52 51 , 

( 4.28) 

.. 
b. 

In the case where the controlling element is a one-port, equation (4.28) reduces 

to equation (4.29): 

(4.29) 

When the controlling element is a two-port we have the following results: 



Controlling 2 - port 

Passive: 

I - source: 

v - source: 

Sm = ~ [_~ -~], bs = [~] 

Sm=K[_i -i], bs=K[_IIoo] 

Sm = [~ ~], bs = ~ [ _~ •• ] 
When the controlling element is a one-port we have the following results: 

Controlling 1 - port 

Passive: bs = [~] 

I - source: b - K [ -Is] s - 2 Is 

v - source: 

4.4.3 Current controlled current source (ICIS). 
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The model for this element is identical with the model of the current controlled 

voltage source (ICVS) expressed by equations (4.26) and (4.27), except that the 

factor K has to be replaced by -2K and the S8 matrix is given by [~ ~] instead 

of [~ ~]. 

4.4.4 Voltage controlled current source (VCIS). 

Similarly, for this element the model is identical with the one for the voltage 

controlled voltage source (VCVS) expressed by equations (4.28) and (4.29), except 

that the factor K has to be replaced by -2K and again the Ss matrix is given by [ ~ n instead of [~ ~]. 



51 

4.5 Single Lossy or Lossless Transmission Line 

Figure 4.9 Single transmission line 

In this section, the s-parameter model for a single transmission line (one 

active line and a reference conductor) is developed. The line can be lossless or 

lossy with frequency dependent parameters and a uniform cross-sectional area 

along its length. The relationship between the voltages and currents along the 

transmission line for time-harmonic excitation, is given by the following coupled 

ordinary differential equations 

where 

dV~~w) = Z(w)I(x,w) 

dI~W) = Y(w)V(x,w) 

Z(w) = R(w) + JwL(w) and Yew) = G(w) + JWC(w) 

(4.30) 

(4.31) 

( 4.32) 

with R, L, C and G being the per unit length (p.u.1) resistance, inductance, 

conductance and capacitance matrices for the line respectively. Using (4.30) and 

( 4.31) one can get the following wave equations for the voltage and current: 

d'l~~;w) = Z(w)Y(w)V(x,w) 

d'li:;w) = Y(w)Z(w)I(x,w) 

(4.33a) 

(4.33b) 
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The solution to the above second order differential equation is a linear combination 

of two solutions, one traveling in the positive x-direction and the other in the 

negative x-direction and can be expressed as : 

where "I = ..jZY while G+ and G- are some constants depending on the boundary 

conditions. Appendix A, Part I shows the derivation of the s-parameters for the 

two-port representation of the line. The final results for the S11 and S12 are shown 

in equations (4.34) and (4.35) below 

[ ( ~ -If£) cosh( "11) + (~ - vzr) sinh( "11)] 
SII =~~==~~~~--------~----~-------7------~ 

[( !l;;; + rw cosh('Vl) + ( Zs + ~) sinh('Vl)] V Z";l V Zr2 ) I y'Zrl Zr2 Zc I 

(4.34) 

2 
SI2=~~==~--===-----------------------~--------

[( ~ + If£) cosh("(l) + (y'Z~tZr2 + ~) sinh(,,(l)] 
(4.35) 

S22 and S21 are given by (4.34) and (4.35) respectively, with Zrl and Zr2 

interchanged. When the reference impedances Zrl and Zr2 are chosen to be equal 

(Zrl = Zr2 = Zr) the s-parameter matrix will be symmetrical (811 = 822 and 

812 = 821 • In that case, equations (4.34) and (4.35) simplify to 

(i! - ~) sinhbl) 
811 = 822 = ------.:.----~'---~-----

2cosh("(1) + (i! +~) sinh('Yl) 
(4.36) 

2 
812 = 821 = ----------;-----~----

2cosh('Yl) + (~+ ~) sinh('Yl) 
(4.37) 

Furthermore, if Zr is chosen to be identical to the characteristic impedance 

Zc, reflections are eliminated, hence 

(4.38) 
and 
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In this last case, if I = a + J(3, a wave launched at one port arrives at the other 

port attenuated by a factor ea1 and lagging in phase by {31 where 1 is the length 

of the line in consideration. 

It should also be mentioned that when the frequency approaches zero, the 

transmission line equations break down if either R, or G or both are zero. For 

these cases (details are shown in Appendix A, Part III), the s-parameters are given 

by: As w -+ 0 

i) Rf 0, G¥= o. The s-par,,':.neters are still given by (4.34) and (4.35) except 

that now I = .JRG and Zc = ~. 
ii) R¥= 0, G= o. 

Rl 
S11 = S22 = Rl + 2Z

r 

which are the same as the s-parameters for a series impedance of value R. 

iii) R= 0, G¥= o. 

GIZr 

2 + GIZr 

2 
and S12 = S21 = 2 + GIZ

r 

which are the same as the s-parameters for a shunt conductance of value G. 

iv) R=G=O 

S11 = S22 = 0 and S12 = S21 = 1 

since in this case the transmission line behaves like short circuit. 
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4.6 Coupled Quasi-TEM Lossy or Lossless Transmission Lines 

Figure 4.10 shows a general lossy, coupled transmission line system with N 

active conductors and a reference ground conductor. 

... IN+1. 8N+1 

____ ....lC~Q:!!lnd~u~ct~Q::!:.r,.,jl:.__ __ ___I1__O___i ZN+1 I 
a:l • 11 .. 

Z1 H---l 
VN+1 ., 

bN+1 
• V1 b1 

III IN+2. 8N+2 

~ ___ ~C~Qn~d~uct~or~2 ___ ~1--O---i ZN~ I 
82 ., h 

Z2 ~ .. 
VtM • V2 b2 

8N ., IN 
III 

I2N • a2N • 
ZN H---l Conductor H I--O---i Z2N I 

III 

t t V2N 
., 

bN VN b2N 

l X=o x=l 

Figure 4.10 N coupled transmission lines 

The voltages and currents are again related by 

where 

dV~~w) = Z(w)I(x,w) 

dI~~W) = Y(w)V(x,w) 

Z(w) = R(w) + JwL(w) and Yew) = G(w) + JWC(w) 

(4.39a) 

(4.39b) 

(4.40) 

with R, L, C and G being the per unit length (p.u.!) resistance, inductance, con

ductance and capacitance matrices for the line system. The differential equations 

for the voltages and currents are 



tP~s~,w) = Z(w)Y(w)V(x,w) 

£l2~:~w) = Y(w)Z(w)I(x,w) 
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(4.41a) 

(4.41b) 

Assuming a solution to (4.41b) of the form V = 4>e±rx where 4> is a col

umn vector of constants, and r is a diagonal matrix containing the propagation 

constants (1' = diag{-Yl'Y2".'YN} we obtain the following eigenvalue problem: 

( 4.42) 

It is then obvious that "'Ii are the square roots of the eigenvalues of the matrix ZY, 

while 4> are the corresponding eigenvectors. Any solution of the system (4.39) can 

then be expressed as 

+ 4>le+"YlXg1 + 4>2e+"Y2Xg'2 + ... + 4>Ne+"YNXgN 
( 4.43) 

where gi are some constants that depend on the boundary conditions. The su-

perscript '+' denotes propagation in the positive x-direction while the '-' denotes 

propagation in the negative x-direction. Equation (4.43) can be written in com

pact form as 

(4.44) 

where q; is the voltage eigenvector matrix whose columns are the eigenvectors of 

the matrix ZY and G+ and G- are column vectors of constants that depend on 

the boundary conditions. Using (4.39a) the current vector I can be expressed as 

( 4.45) 
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where Zc is the so called characteristic impedance matric of the system and is 

given by 

(4.46) 

It should be pointed out that (4.41b) could have been used instead of (4.41a) 

to solve for the voltage and current vectors. In that case, following a similar 

reasoning we arrive at an expression for the current vector, I, analogous to (4.44) 

(4.47) 

where '1r is the current eigenvector matrix whose columns are the eigenvectors 

of the matrix YZ and G+ and G- are again some column vectors of constants 

depending on the boundary conditions. By requiring that the current vectors 

given by (4.47) and (4.45) are identical it must be true that 

(4.48) 

The voltage eigenvector matrix, cP will be utilized in the derivation of the s-

parameters. The goal is to find a 2N by 2N matrix that relates the a and b waves 

in the following fashion 

[ 
[ 

8 11 ][ 
] [ 

] 
] 

al 

a2 

aN 
( 4.49) 

aN+l 

aN+2 

a2N 

where 8 11 , 812, S21 and 822 are N by N s-parameter submatrices. Due to sym-

metry, if the right and left reference impedance matrices are chosen equal then 
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8 11 = 8 22 and 8 12 = 8 21 • The algebraic details are presented in Appendix A, 

Part II. The following expressions for the s-parameter matrices are obtained 

811 = -Z;:-~ [(u -C)p(U - C-1 ) + (U + C)p-l (U + C_1 )]-1 

. [(u - C)P(U + C-1 ) + (u + C)P-l (u - C-1 )] Zl 

where 
U = Identity matrix of order N 

p = ~e-rl~-l 

(4.50) 

(4.51) 

and Zc and Zr are the characteristic impedance and the reference impedance 

matrices respectively. 

Observe that in the case where the reference impedance matrix, Zr, is cho-

sen identical to the characteristic impedance matrix, Zc, the system is match 

terminated and the s-parameter matrices simplify to 

811 = 0 (4.52) 

(4.53) 

It is interesting to note that if the incident and scattered waves a and b were 

defined as voltage waves instead of power waves, i.e, 

{
V = Z! (la + b) } 

instead of 
I = Z;:- 2" (a - b) 
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then (4.53) simplifies further to 

8 P OF. -rlOF.-1 12 = = ~e ~ (4.54) 

As in the single line case, at zero frequency, the transmission line equations 

break down if either R, or G or both are zero. For these cases (details are shown 

in Appendix A, Part III), the s-parameters are given by: 

i) If R=rf 0, G=rf o. The s-parameters are still given by (4.50) and (4.51). 

ii) If R=rf 0 and G= 0 and the incident and scattered parameters are defined as 

power waves then the s-parameter matrices are given by 

(4.55) 

(4.56) 

while if the incident and scattered parameters are defined as voltage waves 

the s-parameter matrices take the form 

8 11 = 8 22 = [2U + Z;-IRI] -1 [Z;-IRI] 

8 12 = 8 21 = 2 [2U + Z;-IRI]-1 

(4.57) 

(4.58) 

iii) If R= 0 and G=rf 0 and the incident and scattered parameters are defined as 

power waves then the s-parameter matrices are given by 

[ 1 1 ] -1 [1 1 ] 8 11 = 822 = - 2U + Zl GZl1 Zl GZl1 (4.59) 

[ 

1 1 ]-1 
8 12 = 8 21 = 2 2U + Z"!GZll (4.60) 

while if the incident and scattered parameters are defined as voltage waves 

the s-parameter matrices take the form 



iv) If R = G = 0, 

8 11 = 822 = _ [2U + ZrG1] -1 [ZrG1] 

8 12 = 8 21 = 2[2U + ZrGl]-1 

8 11 = 8 22 = 0 and 8 12 = 8 21 = U 
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(4.61) 

(4.62) 

since in this case the N-line transmission system behaves line N short circuits. 

In all of the above formulas, U is the identity matrix and 1 is the length of 

the transmission lines. 

4.7 Models for non-TEM Transmission Lines 

Using full-wave analysis, the propagation constants, the eigencurrents (cur

rent eigenvectors) and the characteristic impedance matrix of the system can be 

obtained. All of the above quantities are frequency dependent. Spectral domain 

methods have been used for this purpose in [15],[16] and [17]. The results in [15] 

and [16] are limited to conductors of negligible thickness, even though dielectric 

lossess can be included. Using a method of moments procedure one can solve for 

the complex propagation constants and the surface current densities. Once the 

current densities are obtained, all six field components for each mode can be found 

[16]. The current on the kth line for the ph mode is given by 

ikj = J Jzkjdx 

SI: 

(4.63) 

where Jzkj is the longitudinal component of the current density for the ph mode 

and Sk is the cross section of the kth line. The modal characteristic impedance 

matrix which is not unique, can be defined as 
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(4.64) 

with the integral taken over the cross section of the microstrip structure. Itoh 

[16] obtains the solution to a shielded structure, and then moves the walls far 

enough to aproximate the structure of the microstrip which is open in reality. 

Once the eigencurrents ikj, modal characteristic impedance Zc and the complex 

propagation constants are known, the voltage eigenvectors can be calculated from 

(4.48). Equations (4.50) and (4.51) can then be used to calculate the s-parameter 

matrix for the system. 
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CHAPTERS 

LINEAR NETWORK ANALYSIS AND S-PARAMETER MACROS 

This chapter explains how to formulate and solve the circuit equations for 

linear networks in the frequency domain in terms of the s-parameter models de

veloped in chapter 4. Time-domain analysis using the Fast Fourier Transform is 

also discussed. Finally, the method for the generation of the s-parameter macros 

is described. 

5.1 Formulation of Equations in the Frequency-Domain 

The s-parameter models for passive elements, independent and dependent 

current or voltage sources have been developed in chapter 3. Any passive lin

ear multiport can be represented in terms of its scattering parameter matrix, S, 

discussed in chapter 3 as 

(5.1) 

where the superscript (k) is used to specify that the variables refer to the kth 

element (or multiport) of the circuit. For independent current or voltage sources 

an additional source vector, b~k), is needed as shown below 

(5.2) 

For linearly dependent sources the model talces the following form 

(5.3) 

where the superscript (m) is used to identify the parameters of the mth element. 

The circuit to be analyzed will consist of arbitrarily connected elements (multi

ports) as shown in figure 5.1. 



Element 1 

Element k 
(k) 

S 

'-__ ~I Element 2 

(N) 

S 

Figure 5.1 General linear circuit configuration. 
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(3) 

S 

Each element can be modeled by either one of the above three models. In 

addition, the element interconnections introduce some additional constraints that 

have to be taken into account. The overall procedure is similar to the one used in 

[46]. The model equations for each element can be written out, and then gathered 

into a global s-parameter matrix, Sg, as shown below 

(5.4) 

where a g and b g contain the incident and reflected wave vectors for all elements 

and b s is a vector of waves resulting from independent sources (if any) inside 

the network. This formulation is similar to the simple tableux formulation used 

in circuit analysis. The global 8 g matrix will be block-diagonal if only passive 

elements and independent sources comprise the circuit. Each block will be the 

S(k) matrix for each element. However, if dependent sources are present, Sg will 

not be block diagonal because of the extra matrix sCm) that relates the b waves 
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of the element to the a waves of the mth port. The interconnection relations can 

be put in the form 

(5.5) 

where T 9 will be a square matrix of dimension N equal to the total number of 

ports in the circuit. 

Consider the general kth node shown in figure 5.2 below. Let us assume 

that m circuit elements are connected to this kth node. Let the waves at this 

node be related through an interconnection submatrix T(k). The elements of this 

submatrix can be found by imposing Kirchhoff's current law (KCL) and by taking 

into account the relationship between the nodal voltages and the a and b waves 

at each node in the circuit. To make our derivation easier we will first assume 

that the reference impedances of each of these m ports is 1 Ohm. 

Figure 5.2 The general kth node where m elements are attached. 

In that case, the current going into the ith port is aj - b j while the voltage at the 

kth node is aj + bj. Applying KCL at this node we have 
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(5.6) 

which translates to 

(5.7) 

Furthermore, the voltage at this node is given by: 

(5.8) 

Overall then, we have m equ~tions and 2m unknowns so it should be possible to 

express the system of equations (5.7) and (5.8) as m equations in the form of (5.5). 

Let us solve for bi in terms of aI, a2,'" am. The system is written in the following 

form: 

(5.9) 

Adding both sides of (5.9) all b waves are eliminated except bi: 

(m -l)bi + (m -l)ai = 2al + 2a2 + ... + 2~-1 + ai - bi + 2aHl + ... + 2am (5.10) 

Finally, solving for bi we obtain 

2-m 2 
bi = --ai + - (al + a2 + ... + ~-l + ~+l + ... + am) 

m m 
(5.11) 



Therefore, the elements of T(k) submatrix for this kth node are given by: 

T~.k) = 2 - m 
11 m 

T~.k) =!, . ...J.. 1;- J. 
IJ m 
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(5.12) 

The above equations work even for m = 1, which means that the port is open. In 

that case we get T~k) = 1, which is equivalent to b~k) = a?) since total reflection 

occurs. It should be pointed out that the above T(k) submatrix relates the waves 

connected to node k. There will be as many of these T(k) submatrices as there are 

nodes. These submatrices are symmetric as it can be seen from (5.12). However, 

the ordering of the equations in (5.4) will be different since it is done on an 

element basis and not node by node. It follows that the global T 9 matrix will 

not be symmetric in general. The diagonal entries are still given by (5.12). The 

off-diagonal entries are found as follows: 

i) Find the numbers of the ports connected to this node. Assume they are 

nb ... ,nn which are not necessarily consecutive integers. 

ii) Then Tjj will be given by (5.12) where i and j can be any of the numbers 

nl through nn with i =P j and of course m will be the number of elements 

connected to this node. 

The above interconnection matrix was derived specifically with the assump

tion that all reference impedances were chosen to be equal to 1 Ohm. If a different 

impedance is chosen for each port, and the a and b waves are defined as voltage 

waves, equations (5.9) will take the form 
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(5.13) 

aj + bj am + bm 
--:::--- = -=--

Zm Zm 

where Zi is the reference impedance at the ith port. Adding the above equations 

and solving for bi we find 

i. - D 2al 2a2 2ai-l 2ai+l 2am bj = 1 aj+--+--+ ... +--+--+ ... +--
D DZ1 DZ2 DZ j _ 1 DZi+l DZm 

(5.14) 

where D = it + i2 + ... + Zlm· Therefore, the elements of the T(k) submatrix for 

the kth node will be 

.l..-D 
T ~.k) = .;::Z.!,..i :::--_ 

11 D 
(k) 2 

Tij = DZ. ' i # j. 
~ 

(5.15) 

If the a and b waves are defined as power waves, using the same algebraic 

steps as above, we find 

.l..-D 
T~.k) = Zi 

11 "::":""D:::---

T~.k) = 2 . ../.. . 
1J Dy'ZiZj' 1.,.. J. 

(5.16) 

Now we are ready to proceed to the solution for the a g and b g waves. Re-

placing b g from b g = T gag into b g = Sgag + b s results in 

(5.17) 
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from which the vector ag can be found. The b g vector can then be found from 

bg = T gag. Furthermore, the nodal voltages and the currents going into each 

port can be found using (3.8) and (3.9) or (3.35) and (3.36) depending on whether 

ag and b g were defined as power or voltage waves respectively. 

5.2 Time-Domain Analysis 

In the previous section the voltages and currents were calculated at a single 

frequency. The extension to time domain analysis of the linear circuit shown in 

figure 5.1 is accomplished in the following way. The system will be excited by 

a number of independent sources. The excitation signals will usually be in the 

form of pulse trains for digital circuits. First, all time-domain excitation signals 

. art subjected to an N point fast Fourier transform (FFT). The number N needs 

to chosen carefully and will be explained in the next chapter. By performing 

this FFT, the bs(Wi), i = 1,2··· N source terms in the source models become 

available. Next, the Sg(Wi) are calculated and the ag(wi) and bg(Wi) are found by 

solving (5.17) for each Wi. The frequency domain voltages and currents are then 

found from (3.8) and (3.9) and finally, the time domain voltage and currents are 

obtained by performing an Inverse Fast Fourier Transformation (IFFT) 

Vet) = IFFT{V(wi)} 

I(t) = IFFT{I(wi)} 

5.3 S-Parameter Macros 

(5.18) 

(5.19) 

Suppose we have a large linear network with several components but only a 

few ports of it are connected to the outside world. If the voltages and currents at 

the internal nodes are not of much importance, the network can be described in 

terms of a reduced s-parameter matrix relating the a and b wave vectors at the 
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external ports only. This idea is not new, in fact it is the same as the idea of a 

Thevenin or Norton equivalent circuit. 

As an example, consider a system of N coupled transmission lines where it is 

known that certain nodes will always be connected to ground or stay open, etc. 

If we axe interested in the transient waveforms at a few ports only, and would like 

to investigate that response for several combinations of drivers and receivers, it 

would be wise to generate a macro for the ports of interest to reduce the 2N by 2N 

s-parameter matrix to a much smaller one, thus reducing the total computational 

time significantly. The macros can save considerable cpu time especially in the 

case where the linear circuit is loaded with nonlinear terminations. In that case, 

inverse Fourier transforms and convolutions need to be performed at each port 

where nonlinear elements are connected. Since convolutions are time consuming, 

it is always desirable to reduce the number of the aforementioned ports. 

Such a linear circuit with N external ports is shown in figure 5.3 below. 

Arbitrarily connected 
linear multiports 

and sources aN~ 
t--{)---II Ohm 

bN--" 

Figure 5.3 Network for which macro will be calculated. 

1 Ohm 

We need to obtain an s-parameter matrix 8M and a source vector eM relating 

the a and b waves to completely characterize the circuit. For simplicity it has 
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been assumed that the reference impedance at all ports is chosen as 1 Ohm even 

though any other values are permitted. The form of the macro model will look as 

follows 

(5.20) 

Suppose that resistors equal to the reference impedance (1 Ohm in this case) 

are connected to each of the ports. First, the global matrix, 8 g , and the intercon

nection matrix, T g , are generated as explained in section 5.1 taking into account 

the extra resistors added at each port. The a and b waves in these resistors are 

denoted with a superscript M. Since all ports are now matched, the reflected waves 

bf"I and ai, i=I, ... ,N are all zero and equation (5.20) reduces to 

By solving the system b g = (Tg - 8 g) = a g for all a g waves and pi~king out 

the afd, i = 1, ... , N we can see from figure 5.3 that these are identical to the 

bi, i = 1, ... , N waves in equation (5.20). Therefore the source vector eM is found 

as 

{ ~::}={~:}={~} 
CN bN aW 

(5.21 ) 

To find the ith column of the 8M matrix, the one port combination of a voltage 

source and a 1 Ohm resistor (or whatever the value of the reference impedance at 
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that port is) shown in figure 5.4 is connected to the ith port instead of just the 

resistor. 

.. 
M 

b· 1 

Figure 5.4 One port source plus impedance element. 

The global 8 g matrix will not change by adding this source, since the Sl1 

parameter of this one port is zero as it was for the resistor alone. Neither will the 

Tg matrix change since the number of connections at the ith port has not changed. 

The only thing that changes is the entry in the source vector bs of equation (5.17) 

for the ith port. Since all an, n =1= i are all zero, all that remains from (5.20) is 

{ 

bl} { Sli } { CI } b2 S2i C2 
· = . ai + . · . . · . . 

bN SNi CN 

(5.22) 

From the model of the one port of figure 5.4 we know that bf"1 = t Vs, and we 

also know that ai = bf"1. By choosing Vs equal to 2 volts, we force ai to be equal 

to unity. Therefore, solving for the ith column of the 8M matrix we have 

{ Sli} { b
l
} { C

1
} { a~ } {C

I
} S2i b2 C2 ~ C2 

· = . - . = . - . · . . . . · ~ . . . 
SNi bN CN aW CN 

(5.23) 
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The af'1 waves are found from the solution of (5.17) since they are a subset 

of the a g vector. We have now obtained the complete description of the linear 

circuit of figure 5.3 at its external ports in terms of its scattering matrix 8M and 

its source vector eM. 
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CHAPTER 6 

FOURIER TRANSFORMS AND THE IMPULSE RESPONSE 

The Fourier transform can be thought of as a way of converting between two 

equivalent representations of the same function or process. One representation 

is in the time domain, where the function is denoted jet), and the other one is 

in the frequency domain, where the function is denoted as HU) or H(w), where 

w = 21'(j. The Fourier series represents a function over a finite time interval 

assuming a periodic repetition of the function outside this interval, while the 

Fourier Transform represents a function defined over the entire time axis. 

6.1 Fourier Series 

The exponential Fourier series approximation of a complex function jet) with 

finite energy, over an interval (tt, t2), in terms of a finite set of compl~x exponen

tials is given by the following summation 

N 

h(t) = L Hne1nrNot, (6.1) 
n=-N 

where Wo = t2~tl is called the fundamental frequency and Hn are some complex 

coefficients given by 

(6.2) 

Because the set of complex exponentials is complete, it can be shown that the 

integral square error (ISE) between the function h(t) and its representation in 

terms of the above set of complex exponentials decreases to zero as N approaches 

infinity. When the function h(t) is real, with finite energy, as is usually the case 



73 

in applications, it can be seen from (6.2) that the coefficients Hn satisfy 

and the function can be represented in terms of a trigonometric Fourier series of 

the form 
00 

h(t) = Ho + L 12Hnl cos (nwot + arg(Hn »). (6.3) 
n=l 

If the function is periodic with period (t2 - tl), Parseval's theorem states that the 

time averaged power of the function is the same whether computed in the time or 

frequency domain and is given by 

(6.4) 

H n are called the power spectrum coefficients because their square is a measure 

of the power carried by the signal at the corresponding frequency w = nwo. 

h (I) 

A 

time 

T 

Figure 6.1 A typical digital signal. 
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As stated above, a Fourier series can always be used to represent any signal 

that has a finite energy in a certain interval. The time domain signals considered 

in our work will be some kind of digital pulse train as shown in figure 6.1. The 

pulse train is characterized by its rise and fall times tr and t f respectively, its 

amplitude A and either its period T or the so called clock frequency f = liT. For 

this specific signal it is possible to calculate the Hn coefficients from (6.2). One 

can then choose the number of terms N so that the difference between the exact 

average power (given by the first part of (6.4» and the approximated power given 

by E~=_NIHnI2 is less than some desired amount as explained in [46]. 

However, this error is an average error and controlling this error does not 

guarantee in all cases that the error at a particular point in time is reduced. This 

observation is very important. It has been shown that convergence in a mean 

square sense implies that the series in (6.1) will converge to the function h(t) only 

at points of continuity of h(t). At points of finite discontinuities in the function, 

the Fourier series will converge to the arithmetic mean of the value of the function 

to either side of the discontinuity. As an example, for a square pulse (zero rise 

and fall times) no matter how many terms are used, the series will not converge 

at the points of discontinuities (or jumps) but instead it will exhibit overshoot. 

This is called Gibb'8 phenomenon after its discoverer. 

The "Dirichlet conditions" for a function stipulate that in the interval (tl' t2) 

the function has a finite number of minima and maxima, a finite number of finite 

discontinuities and satisfies J/12Ih(t)ldt < 00. It can be shown that if the function 

h( t) satisfies the Dirichlet conditions, the magnitude of the Fourier coefficients Hn 

decreases as n becomes large, at least as fast as ~. Furthermore, if its derivative 

satisfies the Dirichlet conditions, the magnitude of the Fourier coefficients de-
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creases at least as fast as ~ [43], and so on. By knowing the general behavior of 

the function in the time domain, an estimate of the bound of the rate of decrease 

of the Fourier coefficients can be deduced. 

6.2 Fourier Transforms 

Using the Fourier series representation of a function h(t) we can show that 

in the limit as the period (t2 - tl) is extended to infinity we obtain the so called 

continuous Fourier transform pair 

00 00 

h(t) = 2~ J H(w)eJwtdw and H(w) = J h(t)e-Jwtdt (6.5) 
-00 -00 

or equivalently, 

00 00 

h(t) = J H(J)eJ27rJtdJ and H(J) = J h(t)e-J27rJtdt (6.6) 

-00 -00 

For most applications, the time domain signal h(t) is only available at a finite 

number of points tk, k = 0, N - 1. The discrete form of the Fourier transform 

(DFT) is then used. Looking at figure 6.2 , where ~t is used to denote the 

sampling interval, the N samples can be written as 

hk = h(k.6. t ), k = 0,1,2,···, N-1. 

The discrete Fourier transform is defined by means of the expression 

where 

N-l 

Hn = L hke-J27rkn/N 
k=O 

1 
.6.J = NOt' 

NN 
n=-- -

2'2 

(6.7) 

(6.8) 
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time 

frequency 
~====~ __________ ~-L~~~~ ________ ~====~~ __ ~ 
n=-N/2 

f=-fc 
n=O n=l 

f=O f=.1f 

Figure 6.2 Discrete Fourier transform. 

n=N/2 

f=~ 

Because equation (6.8) is periodic in n, with period N, in practice [38], N is 

varied from 0 to N-l instead. In other words, H_ n = HN-n. Therefore, n = 0 

corresponds to zero frequency, 0 < n < r: - 1 corresponds to positive frequencies 

and ~ + 1 < n < N - 1 corresponds to negative frequencies. The point n = ~ 

corresponds to both, the highest positive and lowest negative frequencies. The 

inverse discrete Fourier transform recovers the time domain samples from the Hn 

coefficients as 

N-l 

hn = ~ 2: HneJ27rkn/N, n = 0,1,2,···,N-1 
k=O 

(6.10) 
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6.3 Sampling Theorem and Aliasing 

The sampling theorem states that when a time domain function h( t) sam

pled using an interval ~t, is bandwidth limited to frequencies less than 21e in 

magnitude l it is completely determined by its samples hn • Stated in a different 

way, if h(t) does not contain frequencies higher than Ie Hz, then h(t) is uniquely 

determined by its samples at uniform intervals spaced 2}c seconds apart or less. 

The frequency Ie is known as the Nyquist critical frequency. We have the follow-

ing relationships between time and frequency domain parameters, when the time 

domain signal is sampled from t = 0 to t = T/ 

1 
Ie = 26

t
' 

1 
TJ = 261' 

A consequence of sampling is the introduction of spectral replicas centered at 

multiples of the critical frequency Ie. The situation is shown in figure 6.3 .If the 

signal is undersampled, frequency components higher that Ie can affect or alias the 

actual spectrum therefore giving erroneous values. This phenomenon is therefore 

known as aliasing. If one knows the highest frequency components of the signal 

h(t), the sampling theorem can be used to sample at the required interval Ot or 

smaller, therefore eliminating aliasing. Increasing the number of samples moves 

the spectral replicas farther away as shown in figure 6.3b so that there is no overlap 

or foldover of frequencies outside the interval (-Ie, Ie) into that interval. 

In an application, to ensure that a time domain function has been adequately 

sampled, its spectrum is calculated, plotted, and inspected to make sure that the 

magnitude of the spectral coefficients H n has already decreased to zero at the 

critical frequency Ie. If not, the number of samples can be increased until it is 
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observed that H n coefficients do tend to zero. Then we know that the signal has 

been competently sampled. 

o 

a) 

o 
b) 

actual transfonn 

aliased transfonn 

Figure 6.3 a) Undersampled signal affected by aliasing 

b) Correctly sampled signal where aliasing is minimized. 

In general, from N samples of the time domain signal, frequency components 

up to Ie = N/2TJ can be determined. However, for real signals we can exploit the 

fact that 

which is true when n runs from -N/2 to N/2 and becomes 

Hn = H'N-n 
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when (6.10) is used, since the summation was modified so that n runs from 0 

to N - 1. Equivalently, when it is known that the inverse Fourier transform of a 

certain frequency function is a real function (as in the case of the s-parameters) we 

only need to sample and save the positive half of the transform. In other words, 

with the same number of points, N, the impulse response is obtained from time 

zero up to NIle instead of N /2/c In a similar fashion, if the sampling is done 

in the time domain, the highest frequency component that can be determined is 

increased from N 12T] to NIT]. 

6.4 Aliasing and Gibb's Phenomenon Relevant to S-parameters 

Aliasing can be observed in both the frequency and time domains. In the 

previous section, frequency domain aliasing was discussed. However, when we 

transform the s-parameter matrix to find the impulse response of the transmis

sion lines, time domain aliasing may be observed as well. This will be the case if 

the impulse response of the transmission lines is longer than TT, the total time 

domain interval used, in which case the time values outside the interval (O,TT) 

will be folded back into that interval, therefore aliasing the impulse response with 

false data. The reference impedance used to calculate the s-parameters is very 

important here. If there is a large mismatch between the reference impedance 

matrix Zr and the characteristic impedance matrix of the lines Zc, multiple re

flections will occur and the impulse response will tend to be longer. In any case, 

an estimate of the actual duration of the impulse response of the s-parameters 

should first be calculated. The frequency domain sampling interval, 6 f can then 

be selected so that the time domain interval T] is less than the impulse response 

duration. 
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To illustrate the importance of the reference impedance, Zr, the s-parameters 

for the coupled microstrip structure of figure 6.4 were calculated with the conduc

tor and dielectric losses neglected. 

L = 5 em 
II • 

Port 1 o---JL-____ -"'r--o Port 3 

Port 2 o-f r--o Port 4 

Figure 6.4 Coupled microstrips and port numbering. 

The conductors were assumed to be aluminum with a width of 10 J.lm, a 

thickness of 5 J.lm and a spacing of 10 J.lm, sitting on a dielectric with €r = 4 and a 

height of 50 pm above a perfect ground plane. The length of the conductors was 5 

Th h . t·· d t· E thO t . Z ( 122.8 60.2) cm. e c aractens lC Impe ance ma rIX lor IS sys em IS c = 60.2 122.8 . 

If the reference impedance matrix is chosen equal to Zc, the IFFT of S13 looks 

as plotted in figure 6.5. However, if the reference impedance is chosen to be only 

0.5Zc for example, the resulting S13 parameter is shown in figure 6.6 and it can be 

observed that extra reflections occur at odd multiples of the modal delays which 

are 0.236 ns and 0.26 ns for this 5 cm long coupled microstrip structure. 
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0.00 0.50 1.00 1.50 Time/ns 

Figure 6.5 S13(t) with reference impedance matrix = ZC' 

400.00 1'""-0-----,..---------,------,...--, S 13 

300.00 

200.00 

100.00 

0.00 

0.00 0.50 1.00 1.50 Time/ns 

Figure 6.6 S13(t) with reference impedance matrix = O.5Zc • 
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Clearly, the latter situation is not desirable as it prolongs the impulse response 

and necessitates the convolutions to be performed for the whole time interval. 

On the contrary, for the situation of figure 6.5 the convolutions need only be 

performed up to a time which is slightly longer than the longest modal time delay 

of the system tdmin. 

The closer the reference impedance is chosen to the characteristic impedance, 

the smaller the reflections and therefore the shorter the impulse response will be. 

For the case where the lines are lossless, the characteristic impedance matrix is 

independent of frequency, and therefore the reference impedance can be chosen 

to be identical to the characteristic impedance. In that case we obtain just delta 

functions for the transmission lines situated at a time equal to the modal delays 

for the line system. The need for IFFT and convolutions is then eliminated as 

explained in chapter 8. 

When the lines are lossy, the reference impedance can still be chosen equal 

to the characteristic impedance to shorten the impulse response. However, this 

necessitates a frequency dependent reference impedance matrix and introduces 

further complications when combining the impulse response with the nonlinear 

terminations as discussed in chapter 7. This method has been used by De Zutter 

et. al.[34]. The advantage is that the S11 submatrix becomes zero while the S12 

matrix simplifies somewhat. The drawback is that it is now necessary to perform 

IFFT on the reference impedance matrix. 

In our work, the high frequency characteristic impedance matrix (using only 

the L and C matrices) is used for lossy lines. Even though this does not exactly 

match the frequency dependent impedance as the method in [34] does, the impulse 

response duration is still reduced and IFFT need only be performed on the Sll 
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and 812 submatrices. Figure 6.7 shows SI3(t) when the high frequency Zc if) used 

where the resistance matrix was calculated to be R = (~ ~) Ohms/em. 

x 10-3 

400.00 
~----------~----------r---------~~S13 

300.00 

200.00 

100.00 

0.00 ~L~ --
0.00 .0.50 1.00 1.50 Time/ns 

Figure 6.7 S13(t) for lossy lines with Zr =Zc(f = 00) 

6.5 Filtering of S-parameters 

In reality, the s-parameters for lossless lines are not bandwidth limited, while 

for lossy lines their magnitude decreases as the frequency is increased. The de

crease can sometimes be very slow if the losses are small. Since we cannot extend 

the highest frequency of the IFFT to infinity, we are effectively multiplying our 

frequency domain signal by a square window. The inverse transform will therefore 

be the transform of our function multiplied by a square window function which 

produces oscillations in the time domain. Actually, what is observed in figure 6.5 

is the IFFT of S13 multiplied by a square window, combined with Gibb's phe-

nomenon. Gibb's phenomenon comes about because our time domain functions 
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contain finite discontinuities since they resemble delta functions. Because of those 

discontinuities we really need infinite frequency components to recover the actual 

function. Gibb's phenomenon states that the Fourier series of a function converges 

in an average square sense as N is increased at points of continuity. At points of 

finite discontinuity the series converges to the arithmetic mean of the values of 

the function on either side of the discontinuity. This explains the oscillations at 

the vicinity of the delta function. This problem can only be alleviated by filtering 

the s-parameters either in the frequency or the time domain. Several windows 

are known for frequency domain filtering. These include the Hanning, Welch and 

Parzen windows with expressions shown below: 

Hanning window: Wi = ~ [1 -cos (;:: 1) ], i = 0, 1, ... N - 1 

Welch window: Wi = 1- (i t t~: ~/») 2, i = O,1, ... N-1 

Parzen . li-~(N-1)1 
wmdow: Wi = 1 - ~ (N + 1) , i = D,1, ... N-1 

The above windows were designed to range in magnitude from D ( for the most 

negative and most positive frequencies) to 1 (for zero frequency). The higher 

the frequency, the more it is attenuated. Filtering with the above windows then 

smooths out the oscillations, since it attenuates the high frequency components of 

the signal. The peak values of the time domain signal are reduced. The inpulse 

response also widens out somewhat, as shown in figure 6.8. The Hanning window 

was used to filter S13 for the lossless case. Notice that the two modes cannot 

be seen any more in the filtered signal. They are averaged out by the filtering 

process. Most of the oscillations are also smoothed out. Notice that also the two 

modes cannot be distinguished any more. This might be a problem if the risetime 
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of the input signals is very short. To alleviate this problem, one can make sure 

that enough points are used in the IFFT so that after filtering, the modes can still 

be distinctly observed. 
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Figure 6.8 Filtering 813 using the Hanning window. 

The two micros trips of figure 6.4 were simulated by connecting resistors of 

100 Ohms from ports 2, 3 and 4 to ground and a voltage source with internal 

impedance of 100 Ohms at port 1. The effect of the filtering is more obvious for 

the far end crosstalk on the quiet line. Figure 6.9 shows the voltage at node 4 

for both cases. When filtering is used the signal looks smoother and exhibits the 

correct delay time. On the contrary, with no filtering some noise appears at the 

far end even before the time delay of the line has elapsed. This is of cource due 

to the oscillations in the inpulse response due to Gibb's phenomenon. The lines 

simulated above were lossless. However, it was observed that for certain cases, 

filtering can falsely attenuate the transient signals therefore we need to be cautious 

to apply it correctly. 
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unfiltered 
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fiiiere(C········· 
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Figure 6.9 Filtered and unfiltered far end crosstalk. 

As a matter of fact, filtering is not really crucial for two reasons: a) For 

lossless lines, where the oscillations due to Gibb's phenomenon are more severe, 

the need for IFFT and convolutions is eliminated (chapter 8). b) For lossy lines 

the impulse response is already smooth due to the losses, so the effect of the 

oscillations on the simulation error is not as detrimental. 

6.6 Minimizing the Duration of the Impulse Response 

For the case where a linear circuit consists only of a transmission line system 

we know that by choosing the characteristic impedance of the system as the refer-

ence impedance, the impulse response is minimized. It is unclear at this point how 

t"o minimize the impulse response when several elements (and sever~ transmis

sion line systems) are present in an s-macro. However, by requiring that all macro 

ports of the linear network in question have transmission lines (single or coupled) 

connected to them, we can always minimize the impulse response by choosing 

the characterisric impedances of these lines to const.ruct the reference impedance 
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matrix for the overall network. The situation is shown in figure 6.10. This is a 

reasonable restriction since it is often the case that the elements connecting the 

drivers on one chip to receivers on other chips on a printed circuit board (PCB) 

will usually be transmission lines. 

Port 1 
>--i=~="Jj. ~.~:~:~~::.~~:~ .......... l.~=::., 

- --t t---o 
Port 2 o--i=::!J.-

• • • 

! r--

LINEAR ELEMENTS 

(MTL,R,L,C) 

I ...................................................................... .. 

PortN 

Figure 6.10 S-macro with transmission lines at its output ports. 

By choosing the characteristic impedances of each transmission line (or trans

mission line system) to construct the overall reference impedance matrix, the re

flections at the macro ports are eliminated. However, there are still reflections 

present due to internal reflections because of likely mismatches in the internal 

elements. Figure 6.12 shows the Sl4(t) for the s-macro used to represent the 

interconnection path of figure 9.14 in chapter 9. Figure 6.11 shows the actual 

part of the circuit for which the s-macro was generated. It contains 2 nonuni-

form transmission line systems (pack), 3 uniform transmission line systems and 

several lumped elements used to model the package pins and the card to board 

connectors. All transmission line systems consist of 3 conductors each and they 

are lossy. Notice that in figure 6.12 the reflections due to the internal mismatches 
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in impedances die out eventually. The duration of this impulse response would 

have been even longer if the matching at the output ports was not done. 

o1.t pack ~ card t-{;]-1 board I .. • 
2 

~ t-{;]-1 o-t pack card board I ... 

~ pack~ card t-{;]-1 board I"· 

... ~ card rE}-1 pack t--o 4 

... ~ card rE}-1 pack ro 5 

••• [;}-i. card rE}-1 pack /-0 6 

Figure 6.11 Network for which s-macro was generated. 

x 10-3 

150.00 

100.00 

50.00 

0.00 

0.00 2.00 4.00 6.00 8.00 10.00 Time/ns 

Figure 6.12 The S14(t) for the elaborate s-macro of figure 6.11 
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CHAPTER 7 

TRANSIENT SIMULATION OF LOSSY FREQUENCY DEPENDENT 

TRANSMISSION LINES WITH NONLINEAR TERMINATIONS 

The s-parameter models for linear elements, including lossy coupled transmis-

sion line systems, have been developed in chapter 4. This chapter explains how 

these models are combined with the nonlinear models obtained from a nonlinear 

circuit simulator to perform a transient analysis on the overall circuit. Two meth-

ods are investigated. In the first one, a dependent source model is derived for the 

s-parameter models. In the second method the generalized Thevenin equivalent 

circuit for the nonlinear part of the circuit is used. 

7.1 Transient Analysis of Mixed Linear/Nonlinear Circuits 

The network to be simulated in the time domain is assumed to have the 

arbitrary form shown in figure 7.1 below . 

.... 
• . 
Non
Linear 

. . 
. .. 

· • · 

• . 
Non
Linear 

Figure 7.1 A mixed linear/nonlinear network. 

The blccks labeled "nonlinear" may consist of standard lumped models for 

nonlinear devices such as bipolar transistors (BJT), MOSFETs, etc., as well as 
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linear of nonlinear l.~sistors, capacitors, inductors, sources etc. The blocks la

beled "linear", may consist of a number of linear elements, lumped or distributed, 

as long as these elements can be described in terms of an s-parameter matrix 

in the frequency domain. The main focus of our work is the lossy or lossless 

transmission line systems. However, other s-parameter matrix representations of 

circuit elements or measured s-parameter matrices for certain structures difficult 

to model, may easily be iucluded in our analysis. 

The nonlinear circuits are best described in the time domain and, because 

of the nonlinearities, it is impossible to convert their models to the frequency 

domain. On the other hand, lossy, frequency-dependent, transmission lines are 

more conveniently modeled in the frequency domain. Furthermore, since their 

models are linear, the Fourier transform can be used to obtain an equivalent time 

domain model. After this conversion, the entire simulation is performed in the 

time domain. 

In figure 7.1 it is assumed that each linear block is only connected to nonlinear 

blocks. This is not a serious limitation. If a linear block is connected to any other 

linear block(s), all these linear blocks can be merged into a larger linear block and 

an s-macro description of that block can be produced as explained in chapter 5. 

Therefore, any network can be modified to conform to the form shown in figure 

7.1. The s-parameter models for the kth linear block can be generated as described 

in chapter 5, in the form of an s-macro: 

(7.1) 

The above equation is in the frequency domain. Transforming it to the time 

domain and remembering that multiplication in the frequency domain amounts 
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to convolution in the time domain yields 

(7.2) 

where S(k)(t), b(k)(t), a(k)(t) and b~k)(t) are the IFFT's of the corresponding 

frequency domain variables and the symbol * is used to denote convolution. Per

forming the above inversion for all linear blocks, and grouping them into a "su-

permatrix" we obtain 

bet) = Set) *a(t) + bs(t) (7.3) 

where the "super" column vectors bet), aCt) and bs(t) contain the corresponding 

vectors for all linear blocks. Similarly, the super matrix Set) is a block diagonal 

matrix containing the s-parameter matrices for all linear blocks 

[

S(l)(t) 0 
o S(2)(t) 

Set) = 
o 0 

L 0 0 

o 
o 

o S(~J (7.4) 

Two methods of combining the s-parameter model for a linear circuit with 

the nonlinear model of the terminating network were investigated. In the first 

approach, which will be called the "equivalent circuit approach", the s-parameter 

circuit is represented in terms of a set of voltage controlled current sources (VCCS) 

or current controlled voltage sources (CCVS). The values of these sources are 

updated every timestep. One advantage of this method is that the standard 

elements of SPICE can be readily used. Furthermore, the convergence procedure 

of SPICE does not need to be modified. 

In the second approach, a Generalized Thevenin equivalent circuit for the 

nonlinear network is obtained for the linearized equations at each timestep. That 

circuit is then combined with the s-parameter model for each Newton Raphson 
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iteration at a given timepoint, until convergence to a solution is obtained. This 

method requires modification of the convergence procedure used by SPICE. In 

both methods, time-domain convolutions are necessary in order to go from the 

frequency-domain where the s-parameters are defined to the time-domain formu

lation. 

7.2 The Coupling of Frequency and Time Domain Models 

If the voltage defined incident and scattered waves are used, the relationship 

between these waves and the voltages and currents in the frequency domain is 

V(J) = a(J) + b(J) 

I(J) = R;l (a(J) - b(J)) 

(7.5) 

(7.6) 

The matrix R;l contains the reference impedance matrices with which the s

parameters for each block were derived. Inverse Fourier transforming (7.5) and 

(7.6) we obtain 

Vet) = aCt) + bet) 

I(t) = IFFT{R;l} * (a(t) - b(t)) 

(7.7) 

(7.8) 

If the matrix Rc is constant, then its IFFT will be a matrix of impulse 

functions weighted by the entries in Re. Performing the convolution we would 
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then obtain, 
r=t 

let) = J IFFT{R;;-l} (a(r) - b(r))dr 
r=O 

r=t 

= R;;-l J D(t - r)(a(r) - b(r))dr 
(7.9) 

r=O 

= R;;-l (a(t) - bet)) 

where D was used above to denote a square matrix with all elements equal to 

impulse functions, 6(t - r). 

A very important point here is that if the matrix Re was chosen to be equal 

to the characteristic impedance matrix for the lossy transmission line systems, it 

would be a frequency dependent matrix and therefore the simplification of (7.9) 

would not have been possible. That would lead to the need to perform inverse 

Fourier transform on Re. The advantage of that choice however, is that the s

parameters are simplified: The 8 11 submatrix reduces to zero, while the expression 

for S12 simplifies. Moreover, the duration of the IFFT of 8 12 is shortened since 

all reflections are eliminated. However, it is not clear how the IFFT of the fre

quency dependent characteristic impedance matrix Ze will behave. On the other 

hand, choosing Rc to be diagonal or at least equal to the high frequency charac

teristic impedance of each MTL, it is still possible to reduce the duration of the 

impulse response of the s-parameters, eliminating the need to perform IFFT on 

Re. However, 8 11 is not zero anymore. 

7.3 The Equivalent Dependent Source Model 

In this method, the s-parameter matrix for any passive linear system is used 

to derive a set of dependent sources, one for each port which is connected to the 
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nonlinear part of the network. First let us split the total incident and reflected 

waves into a transient part which will be denoted by a hat ,-, and a DC part 

which will be denoted by the subscript 'DC' as follows: 

aCt) = aCt) + aDO 

bet) = bet) + bDO 

(7.10) 

(7.11) 

The set of equations relating the voltages Vet) and currents I(t) of the linear 

s-parameter defined circuit to the total incident and scattered waves are 

Vet) = aCt) + bet) 

I(t) = R;l (a(t) - bet») 

(7.12) 

(7.13) 

where it is assumed that a constant with frequency Rc matrix is used for reference. 

Realizing that the impulse response matrix Set) actually relates the transient parts 

of the incident and reflected waves by bet) = Set) * aCt), (7.11) translates to 

bet) = bDO + Set) * aCt) (7.14) 

where it was assumed that no independent sources exist inside the s-parameter 

defined circuit, thus the b 8 (t) term has been dropped. DC analysis needs to be 

performed first to determine the operating point. At DC, the relation between 

the incident and reflected waves is: 

bDO = SDO' aDO (7.15) 

where S DO is the s-parameter matrix of the linear system at zero frequency. The 

use of an s-parameter matrix at zero frequency might look strange here, since 

the s-parameters are associated with incident and reflected waves and therefore 
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wave propagation which of course is not possible at zero frequency. However, 

this quantity (SDC) is used here in a purely mathematical sense. It is clear from 

(7.10) through (7.13) that the s-parameters are an alternative representation for 

any circuit at any frequency including the zero frequency. Therefore, aDC and 

bDC are artificial quantities which are defined in terms of the DC voltages and 

currents while SDC is another artificial quantity that relates them. Solving for 

the a and b waves from (7.12) and (7.13) at DC and substituting in (7.15) we 

obtain 

(VDC - ReIDc) = SDC(VDC + ReIDc) (7.16) 

Solving (7.16) for the current we finally obtain 

(7.17) 

where U is the identity matrix. 

Now, for transient analysis the convolution term in (7.14) is expressed as 

bet) = bDC + it S(r)a(t - r)dr 
0+ 

(7.18) 

where b DC is the value of b obtained from DC analysis. Notice that the a waves in 

(7.18) are actually the difference a(t)-aDc. In other words, they are the difference 

between the total waves and their corresponding DC values. The convolution term 

in (7.18) can be discretized as 



1: S(r)a(t - r)dr =S(O)( aCt) - aDC) + 

S(~t)( aCt - ~t) - aDC) + 

S(2~t)( aCt - 2~t) - a DC) + 
... + 

Set - ~t) (a(~t) - aDC) + 

S(t)( a(O) - aDC) 
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(7.19) 

It should be pointed out that S(O) is not the same as SDC. S(O) is the 

value of Set) at t = 0 and is obtained from the IFFT of the frequency domain 

s-parameters. On the other hand S DC is the value of the frequency domain S(J) 

at zero frequency. 

All of the terms in the above expression except the one that contains a( t) 

depend on past values of the incident waves a. Isolating the term containing aCt), 

equation (7.18) can be rewritten as 

bet) = S(O)a(t) + (M(t) + bDC - S(O)aDC) (7.20) 

where M(t) contains the terms in (7.19) that depend on values of a prior to time 

t. Again, the a and b waves from (7.12) and (7.13) are substituted in (7.20) to 

obtain 

The above equation can be solved for I(t) in terms of Vet), or for Vet) in terms 

of I(t) to get the following two equivalent models: 

let) =R~l(U + S(O»)-l(U - S(O»)V(t) 

- 2R~1 (u + S(O») -l( M(t) + bDC - S(O)aDC) 

(7.22) 
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or 

Vet) =(u - S(O»)-l(U + S(O») RcI(t) 

+ 2(U - S(O»)-l(M(t) + bDC - S(O)aDC) 

(7.23) 

Equation (7.22) describes the model for the s-parameter defined circuit as a 

set of voltage controlled current sources (VeeS) as shown in figure 7.2. 
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Figure 7.2 The voltage controlled current source model (VeeS) 
for the linear, s-parameter defined circuit. 

From (7.22) it is verified that the matrix R;;-l( U +S(O») -1( U -S(O») contains 

the transconductance coefficients for the voltage dependent current sources and 

remains constant throughout the simulation. On the other hand the remaining 

term, -2R;;-1 (U + S(O») -\ M(t) + bDC - S(O)aDC) is just a vector that depends 

on previous values of the a waves. In general, this vector will change as time pro

gresses. However, during the Newton-Raphson iteration procedure, no updating 

is required. 
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In a similar fashion, (7.23) describes a set of current controlled voltage sources 

(CCVS) as shown is figure 7.3. The matrix (U - S(O»)-l(U + S(O»)Rc defines 

the transresistance coefficients for the current dependent voltage sources which 

again remains constant throughout the simulation. 

, .......................... . 

12 ---. 
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In --.. 
Model for 

s-parameter circuit 

............................. 

Figure 7.3 The current controlled voltage source model (CCVS) 
for the linear, s-parameter defined circuit. 

7.4 The Thevenin Equivalent Circuit Approach 

The equations for the nonlinear blocks can be put in the form of a nonlinear 

system of first order differential equations 

dv 
C(v, t) dt + B(v, t)v = f(t) (7.24) 

where the matrices C and B could depend nonlinearly on the unknown voltages 

v, and f(t) is a known source term. 

The above system is usually solved by linearization using a Newton-Raphson 

or similar procedure and discretization in the time domain using a stable integra-
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tion scheme such as backward Euler, Trapezoidal or Gear's method. The details 

of this procedure will not be discussed in this dissertation. Well established and 

accurate routines that perform these procedures are already available [51]. SPICE 

2G.6 routines written in fortran 77 are used here. Whatever the nonlinear simu-

lator is, at each point in time and for each Newton-Raphson iteration the corre

sponding model is linear and can be described in terms of a generalized Thevenin 

equivalent circuit discussed in chapter 3. At time t the model is 

Vet) = Vth(t) - Zth(t)l(t) (7.25) 

where Vet), and I(t) are column vectors containing instantaneous voltages and 

currents at time t at those nodes of the nonlinear circuit that are connected to the 

linear blocks. The negative sign in (7.25) results from the reference direction for 

the currents, which are assumed to be flowing out of the nonlinear circuit. Figure 

7.4 clarifies the above and shows the direction of the currents I(t). 

r--------, 11 ~ 

block 

1----00+ V2 ~ 
/ Connections to linear blooo 

Nonlinear 

Figure 7.4 Thevenin circuit for nonlinear blocks at time t. 

The procedure to find Vth(t) and Zth(t) is similar to the procedure used to 

find the s-parameters for the macros explained in chapter 5. Vth(t) is just the 

open circuit voltage vector. To calculate the ith column of the Zth(t) matrix a 

current source of unity value is connected to the ith port. The linear system is then 
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solved again with the new right hand side vector. It is trivial to verify that the 

ith column of the Zth(t) matrix is then obtained by subtracting the new solution 

vector Vet) from the open circuit voltage vector Vth(t). 

The matrix Zth(t) depends nonlinearly on the nodal voltages at time t, there

fore it is not constant. At each Newton-Raphson iteration, the elements of Zth(t) 

are updated until the voltage and current vectors converge to the correct values. 

The following system needs to be solved: 

Vet) = Vth(t) - Zth(t)l(t) 

bet) = S(O)a(t) + (M(t) + bDC - S(O)aDC) 

Vet) = aCt) + bet) 

I(t) = R;l (a(t) - bet») 

(7.26) 

(7.27) 

(7.28) 

(7.29) 

Substituting the voltages and currents from (7.28) and (7.29) in (7.26) results in: 

aCt) + bet) = Vth(t) - Zth(t)R;l (a(t) - b(t»). (7.30) 

Defining K(t) = Zth(t)R;l and gathering like terms we get 

(u + K(t»)a(t) = (K(t) - U)b(t) + Vth(t). (7.31) 

Finally, substituting bet) from (7.27) into (7.31) and gathering the terms involving 

aCt), we arrive at 

[(U + K(t») + (U - K(t»)S(O)]a(t) = 

(KCt) - U) (M(t) + b Dc - S(O)aDC) + Vth(t) 
(7.32) 
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All the terms on the right hand side of (7.32) are known from previous time 

points, therefore the above equation can be easily solved for the unknown vec

tor a( t) using L U decomposition or sparse matrix techniques depending on the 

sparsity of the resulting matrix which in turn depends on the configuration of the 

nonlinear part of the circuit. After aCt) is found, bet) can be found from (7.28) 

and (7.29) and the voltages and currents can be solved for as well. 

For DC analysis, the corresponding equation to be solved can be easily shown 

to be: 

[(U + K(t)) + (U - K(t» SDa] aDa = Vth(t) (7.33) 

7.5 Convolutions and Timestep Control 

The time domain solution of the nonlinear system usually proceeds in a famil

iar time-marching fashion. The next timestep is chosen according to the number of 

iterations in the last step and also to keep the local truncation error (LTE) within 

some bounds. An estimated value of the LTE is calculated at each timestep by 

using divided differences or a similar method to approximate the derivatives of the 

unknowns variables (currents and voltages). Therefore, the simulation timestep, 

which we will call f:!..t, is variable. On the other hand, the impulse response of 

the s-parameters, Set) is calculated from the inverse fast Fourier transformation 

(IFFT) at a fixed interval !::J. g , where !::J.g depends on the number of points used 

in the IFFT and the length of the impulse response as explained in chapter 6. 

Therefore Set) are available at fixed timepoints which are multiples of f:!..g. 

One might try to force the simulator to march at a fixed !::J.t equal to !::J. g • 

However, this would mean that the local truncation error will be impossible to 

control since the minimum timestep needed for a given circuit is difficult to know 
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beforehand. In addition, when no convergence is achieved, the timestep is suc

cessively reduced until a solution is obtained. If a fixed timestep tlt is used, the 

simulation will have to be stopped when no convergence is achieved. Another at

tempt would be to take the minimum timestep allowed by the simulator (or close 

to it) and calculate the Set) at multiples of that timestep. However, this might 

require an extremely large number of IFFT points with the danger of making the 

algorithm very time consuming and thus impractical. 

In this work, the following procedure is used. The nonlinear circuit simulator 

is allowed to choose any timestep, however small, to control the LTE and achieve 

convergence within the specified tolerance. When the next timepoint is sufficiently 

close to an IFFT grid point, the program is forced to perform the simulation at that 

point. The convolution terms are then updated right after this step is performed. 

a(t) 

time 

Figure 7.5 Graphical interpretation of convolution. 
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The idea then is that the timepoints which are multiples of b..g are treated like 

the rest of the breakpoints in SPICE, such as the breakpoints for piecewise voltage 

sources. Figure 7.5 is used to clarify the above procedure by using the familiar 

graphical interpretation of time domain convolution. The signal Set) is flipped 

horizontally and then slid to the right at every timestep. The convolution sum 

defined by J;+ S(t-r)a(r)dr is then the area under the product ofthe two signals. 

To clarify the procedure, the term M(t) is written out explicit ely as follows: 

for 0 < t ;::; b..g, 

for nb..g < t ~ (n + l)b..g , 

M(t) = 0 

M(t) = S(b..g)a(O) 

M(t) = S(b..g)a(b..g) + S(2b..g)a(O) 

M(t) = S(b..g)a(n - l)b..g ) + 

S(2b..g)a(n - 2)b..g) + 

... + S(n - l)b..g) a (b..g) + S (nb..g) a(O) 
(7.34) 

In (7.34), the simple left hand rule was used to calculate the area under the 

product of the two signals shown in figure 7.5. Any other integration scheme could 

also be used, such as the trapezoidal or Simpson's rule. It should be pointed out 

that even the simplistic left hand rule will give good results here if the convolution 

timestep b..g is sufficiently small. 

An improvement over the above procedure would be to perform the convo-

lutions at every point of simulation by interpolating the values of Set) and aCt). 

However, interpolating the values of the impulse response Set), is questionable 

due to the oscillations caused by Gibb's phenomenon as was shown in chapter 

6. The values between samples if interpolated, will in general contain some error 
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which is hard to quantify. This is especially true for lossless transmission line 

systems. That is why the lossless transmission line systems can be better han

dled separately as will be shown in the next chapter. In that case, the impulse 

response Set) reduces to impulse functions, thus eliminating the need for any 

convolutions. Furthermore, if the s-parameters are interpolated, it would be nec

essary to perform the convolutions at all timepoints of the simulation which can 

be computationally expensive. The method we used, performing the convolutions 

only at as many points as the number of the IFFT points, was found to give very 

good results while saving computational time. 

7.6 Algorithm Implementation in SPICE 

Figures 7.6 and 7.7 show the flowcharts for implementing the equivalent volt

age controlled current source model approach and the generalized Thevenin equiv

alent approach, respectively. Modifications were made to the SPICE2G6 main 

program, to the subroutine DCTRAN which controls the DC, transient and op

erating point analyses and the timestep according to the local truncation error, 

and to the subroutine ITER8 which linearizes and solves the system of equations 

using the Newton-Raphson method. 



Read Input 
Calculate s-pars 

and their IFFI' 

DC Analysis 
Save a, b waves at DC 

Calculate next timestep 
t = t + timestep 

If t is a multiple of IFFr grid 
perfonn convolutions 

update VCCS coefficients 

Linearize overall system 
Solve for V, I, a and b waves 

Figure 7.6 Flowchart for the vecs approach. 
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Figure 7.7 Flowchart for the Thevenin equivalent approach. 
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CHAPTER 8 

SIMULATION METHODS FOR LOSSLESS LINES 

In this chapter, two ways to treat the case of lossless lines are investigated. 

The first one is a special case of the method discussed in chapter 7 for lossy 

transmission lines, while the second one is based on modal analysis in the time 

domain and the construction of an equivalent sub circuit in SPICE language. 

8.1 Extension of S-parameter Method for Lossless Lines 

The case where the s-parameter macro consists only of one lossless trans

mission line system is treated here. The equivalent voltage dependent current 

source model for the lossless coupled transmission lines will be derived based on 

the incident and reflected waves. 

When the lines are lossless, the reference inpedance matrix Rc can be chosen 

equal to the characteristic impedance matrix Zc. The S11 and S12 submatrices 

are then given by 

S11 = 0 

S12 = CPe-l'lcp-l 

where e-1'1 reduces to the diagonal matrix 

(8.Ia) 

(8.Ib) 

where (3i, i = 1,2 ... N are the imaginary parts of the modal propagation constants 

and ti, i = 1,2 ... N are the modal delays which are given by: ti = l/vi, i = 

1,2, ... N and the modal velocities Vi, are defined in (8.33). 
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Note that if 812(t) denotes the inverse Fourier transform of 8 12(W) then 

where S(t - ti) is a delta function situated at t = ti. 
Let us split the a and b wave vectors as 

bet) _ [bn(t)] 
- bf(t) , a( t) = [an ( t) ] 

af(t) 

(8.3) 

where an(t), af(t), bn(t) and bf(t) are N-dimensional column vectors and the 

subscripts en' and 'f' denote the near end and the far end quantities respectively. 

The simulation starts with the DC analysis as before. The s-parameter matrix 

8 12 reduces to a unity matrix when w = O. At DC we then obtain: 

and bfDC(t) = anDcCt) 

where the subscripts 'nDe' and 'fDC' denote the near and far end DC quantities 

respectively. The above equation specifies a set of N-short circuits. This can be 

easily incorporated into the simulator. All that needs to be done is to set the near 

and far end voltages equal to each other on each transmission line. Therefore the 

quantities bnDC, afDC, biDC and anDC will be known during transient analysis. 

For transient analysis, the total incident and reflected waves will be given as 

the sum of their respective DC and transient components by: 

aCt) = aCt) + aDC 

bet) = bet) + bDC 

Let us start from (7.14) which is repeated below 

bet) = bDC + lot 8(r)a(t - r)dr. 

(8.4a) 

(8.4b) 

(8.5) 
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[ 
0 8 12('1)] 

where 8('1) = 8
12

('1) 0 . 

The previous equation can be rewritten as 

i t [0 812('1)] -( ) bet) = bDC + 0 8
12

('1) 0 at - 'I d'l (8.6) 

and using the sifting property of the delta function the following expressions for 

the near and far end reflected waves are obtained: 

where the N-dimensional vectors an(t - t m ) and af(t - t m ) contain the delayed 

near and far end incident waVes respectively: 

[

a f1 (t-t1 )] 
a/2(t - t2) 

and a/(t - t m ) = : 
afN(t-tN) 

(8.8) 

Remembering that 

Vet) = aCt) + bet) 

let) = R~l (a(t) - bet») 

is true for both the near and far end voltages, the reflected waves bn(t) and bf(t) 

can be replaced in terms of the voltage and current vectors V n, V f, In and If. 

Finally, solving for the voltage vectors V n and V f, the voltage dependent current 

source model for the near and far end nodes is obtained as: 

In(t) = R~lV net) - 2R~1 [bnDc(t) + af(t - t m ) - afDc(t - t m )] (8.9) 

IJ(t) = R~lV J(t) - 2R~1 [bfDc(t) + an(t - t m ) - anDc(t - t m )] (8.10) 
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This is similar to the general model expressed by (7.22) except that no mem

ory terms (M(t)) are involved, thus eliminating the need for convolutions at each 

timestep. 

8.2 A SPICE Subcircuit for Lossless Lines 

The most widely available simulators (like SPICE) cannot handle more than 

one lossless transmission line. 

In this section, a circuit consisting of decoupled transmission lines and a 

set of linearly dependent voltage controlled voltage sources (VCVS) and current 

controlled current sources (CCCS) is constructed for lossless transmission lines. 

This sub circuit can then be used just like any other SPICE sub circuit and can 

be used readily with any version of the SPICE program. It should be mentioned 

that the idea and theory behind this work was first presented by Tripathi [29]. 

This method is very convenient but it is much more inefficient compared with the 

method of section 8.1 above. 

The transmission line equations of (2.2) for lossless lines read: 

av aI 
-+L-=O ax at 

aI +cav =0 ax at 

(8.11) 

(8.12) 

where L and C are the p.u.1 inductance and capacitance matrices respectively. 

The above system can be transformed into a decoupled system of equations. For 

this purpose we define the transformation 

I=wlm 

(8.13) 

(8.14) 
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where V m and 1m are some new transformed voltage and current vectors, usually 

refered to as modal voltages and currents, while ~ and W are some unknown 

transformation matrices to be determined. Substituting (8.13) and (8.14) in (8.11) 

and (8.12) we obtain the following system of equations 

ip av m + Lw aIm = 0 
ax at 

waIm + C~avm = 0 ax at 

After premultiplying by ip-I and w- I the above equations take the form 

Let us now define the matrices LD and CD as 

(8.15) 

(8.16) 

(8.17) 

(8.18) 

(8.19) 

(8.20) 

Now we require that LD and CD be diagonal. By considering the product LDCD 

we have 

LDCD = ip-1LC<p 

CDLD = w-1CLw 

(8.21) 

(8.22) 

from which we conclude that ip and W are the eigenvector matrices of LC and CL 

respectively because the products LDCD and CDLD are diagonal matrices (in 

fact they are identical). The corresponding eigenvalues for LC and CL are then 

identical and they are the diagonal elements of the matrix LDC D. The eigenvalues 

of LC and CL are real because L and C are real symmetric matrices. 
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We will now prove that the following relationships exist between ~ and W 

w-1 = ~T 

(8.23) 

(8.24) 

We know that L and C are symmetrical matrices therefore they are equal to their 

transposes. Transposing (8.22) we obtain 

(8.25) 

or 

(8.26) 

But we also know from (8.21) that 

(8.27) 

By comparing (8.26) and (8.27) we conclude that ~-l = wT • The relationship in 

(8.24) is actually equivalent to (8.23) 

The transmission line equations now become 

aVm = -LD aIm 
ax at 
aIm = -CD 8v 
ax at 

(8.28) 

(8.29) 

which represent a decoupled transmission line system, together with the transfor-

mation equations 

(8.30) 

(8.31) 
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The wave equation for the modal voltages V m can be obtained using (8.28) and 

(8.29) as 

(8.32) 

from which we deduce that the characteristic impedances and velocities of prop

agation of the kth mode are given by 

(8.33) 

1 
Vk=--

.jZkCk 
(8.34) 

where lk and Ck are the diagonal entries of the LD and CD matrices respectively. 

The equivalent circuit described by equations (8.28) through (8.31) is drawn 

in Figure 8.1. Equations (8.28) and (8.29) are realized with the decoupled single 

transmission lines with characteristic impedances Zk and velocities Vk while the 

transformation relationships (8.30) and (8.31) are realized with current-dependent 

current sources and voltage-dependent voltage sources. The coefficients rPij are 

the corresponding entries of the eigenvector matrix 'P. Notice that all of the above 

elements can be handled by SPICE. 
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Figure 8.1 SPICE sub circuit for lossless coupled lines. 
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A FORTRAN 77 program has been written that implements the aforemen

tioned calculations. The user enters the number of coupled lines, their length 

and the per unit length L and C matrices. The program automatically creates 

an output file which contains a sub circuit description in SPICE language for the 

transmission line system. As an example, the following parameters were calcu

lated for a pair of coupled microstrips with width W=15 pm, thickness t=5 pm 

and spacing s=5 pm, on a dielectric substrate with height h = 30pm and relative 

dielectric constant €r = 11.8 above an infinite ground plane, using the parameter 

extractor program UAMOM [49]: 

C 11 = C22 = 1.75208 pF/em 

C12 = e21 = -0.7083 pF/em 

L11 = L22 = 4.57178 nH / em 

L12 = L21 = 2.53711 nH / em 

The eigenvector matrix was 

<I> _ (1/.../2 -1/.../2) 
- 1/.../2 1/.../2 . 

The modal impedances were 82.5 and 28.7 Ohms respectively, while the modal 

velocities were 1.16 and 1.41 m/sec respectively. The length of the lines was 2 

inches. The file containing the subcircuit for the two coupled microstrips is listed 

below: 

.SUBCKT HALF001 1 2 3 4 
VOl 5 1 0 
V02 6 2 0 
EOI 5 0 POLY(2) 3 0 4 0 0 0.7071067691 -0.7071067691 
E02 6 0 POLY(2) 3 0 4 0 0 0.7071067691 0.7071067691 
FOI 3 0 POLY(2) VOl V02 0.7071067691 0.7071067691 
F02 4 0 POLY(2) VOl V02 -0.7071067691 0.7071067691 



.ENDS 

.SUBCKT TLDEPOOI 1 2 3 4 
Xl 1 2 5 6 HALFOOI 
X2 3 4 7 8 HALFOOI 
TOI 5 0 7 0 ZO=O.825271E+02 TD=0,437592E-09Sec 
T02 6 0 8 0 ZO=O.287572E+02 TD=O.359428E-09Sec 
.ENDS 
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The name of the subcircuit is TLDEPOOI and can be inserted in any network 

for simulation. The above description assumes that the SPICE version allows 

for sources that depend linearly on more than one variables (such as SPICE2G), 

however, an option is available that only makes use of single-variable linearly 

dependent sources, for use with SPICE3. The sub circuit using the multi-variable 

dependent sources is significantly more efficient because a smaller number of nodes 

is needed for the circuit description. 
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APPLICATIONS 
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In this chapter, the program developed is used to study several packaging 

structures. Some of the examples use simple configurations and the results are 

compared with other simulation programs and results available in the literature. 

Both lossless and lossy, as well as uniform and nonuniform transmission line ex

amples are presented. This serves to validate the present method. In addition, 

a more complicated example of a packaging system, consisting of drivers and re

ceivers on single chip carriers mounted on cards which are in turn mounted on 

a printed circuit board is studied. This example includes nonuniform and lossy 

transmission lines, and also takes into account the wire bond and pin parasitics. 

The macro capability of our method is shown to save considerable computational 

time. Per unit length inductance and capacitance matrices for coupled intercon

nects were extracted using the VAC [50] and UAMOM [49] software tools while 

frequency dependent resistance matrices were obtained using VA2DL [48]. 

9.1 Lossless Transmission Lines With Nonlinear Terminations 

The two coupled microstrips shown in figure 9.1a were used in this example. 

The lines were assumed lossless and uniform in cross-section. The width and 

spacing of the lines were 10 j.Lm, the thickness 5 j.Lm, and the distance from ground 

50 j.Lm. The relative permittivity of the dielectric was 4.0. The length of the 

lines was 5 cm. The shortest modal delay for this system was 0.24 nanoseconds 

approximately. The circuit configuration of figure 9.1b was simulated. Simple 

CMOS inverting drivers were used as drivers and receivers. Spice level one model 
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Lll = L22 = 6.23 nH/cm 

L12 = L21 = 3.24 nH/cm 

Cll = C22 = 0.52 pF/cm 

C12 = C21 = -0.24 pF/cm 

5 
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Figure 9.1 Two lossless microstrips driven by simple CMOS drivers 
used for comparison with U ANTL 



Volts 

6.50 

6.00 

5.50 

5.00 

4.50 

4.00 

3.50 

3.00 

2.50 

2.00 

1.50 

1.00 

0.50 

0.00 

-0.50 

-1.00 

-1.50 

Comparing with Uantl 

--_ ..... , 

I 

I 
I 

I 
I' 

I 
I 

I _----i\ I 
_ .. _ .. 1.L .. _. \ l' I ! I '\ .-.. _ .. ...,..-.. I 

• -, 'I \ I ,\ ! 
'f V I '-"'1 i.··· 
\ ' L" - -~. .._ .. .,.'---
~ , 1,-----

~-J 
~ 

-2.00 =..L _____ L.-____ .l..-____ ....L-.-.;;;;;> 

0.00 0.50 1.00 1.50 

Figure 9.2 Simulation results for coupled lossless micros trips 

119 

vI 
v2············ 
v3-----
v4 - - _. 

uantlvC 
uan"iiv2 . 

uantlv3-

uantlv4 -

Time/ns 



120 

parameters were used for the CMOS transistors. The first line was driven with 

a pulse of 0.1 ns fall and rise times and 1 ns duration which is shown in figure 

9.1c The input of the second inverting driver was connected to a high state (5 

volts supply). Initially nodes 1, 2, 3 and 4 should be at zero volts. Near and far 

end crosstalk were studied. Since the lines were not match terminated at either 

the driver or receiver end, the effect of reflections can be clearly observed on the 

waveforms. The results are plotted in figure 9.2 along with the simulation results 

for the same structure using UANTL [45], which is a program restricted only to 

lossless transmission lines with nonlinear terminations. Excellent agreement can 

be observed between the two prograU1S. 

9.2 Lossy Transmission Lines With Nonlinear Terminations 

In this example, the structure of figure 9.1 is used again, except that this time 

the DC conductor losses were included. Aluminum conductors were used assuming 

a conductivity of ()" = 4 X 108 mhos/m. For this case, the diagonal elements of the 

p.u.I. resistance matrix were equal to 5 Ohms/em while the off diagonal elements 

were neglected. The circuit was simulated using the present method and the 

UAFLICS [47] software. Once again, excellent agreement is observed in all four 

waveforms which are plotted in figure 9.3. The dispersion and attenuation of the 

signals can be observed in these waveforms. Naturally, the amount of crosstalk 

induced on the quiet line at nodes 2 and 4 is reduced when compared to the 

corresponding waveforms in figure 9.2. 
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Figure 9.3 Comparing lossy line results with UAFLICS 
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In the second example of lossy line simulation, the linear circuit of figure 9.4 

is used. This circuit has been studied extensively in the literature ([20],[31],[34]) 

and results are readily available for comparison. 

-~IIIMN~-C:======::::J 3 100 n 
1 r-~ 

r-~~~============~4 r-=l 

I.S 6 1.5 Time Ins 

LOSSLESS LOSSY 

L=[ 494.6 63.3] 
63.3 494.6 

nH/m R= [0.1 0.02]J; 
0.02 0.1 m 1m 

C= [62.8 -4.9] [0.1 -0.01] Slm pF/m G= -0.01 0.1 
-4.9 62.8 

Figure 9.4 Example studied by Djordjevic and et al. 

The above circuit was simulated for two separate cases. In the first case, losses 

(both due to conductors and dielectric) were assumed negligible. The results for 

this case are shown in the bottom part of figures 9.5 and 9.6. The top part of 

these figures is a copy of the published results. In the second case, both conductor 

and dielectric losses were accounted for. The p.u.I. resistance and conductance 
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matrices were assumed to be frequency dependent and have the form shown in 

figure 9.4. The results for the second case, where losses were taken into account, 

are shown in the bottom part of figures 9.7 and 9.8. The top part of these figures 

once again is a copy of the published results. Even though it was not possible 

to superimpose the published results with our results, excellent agreement can be 

verified by inspecting all four plots. 

V 
0.6 I , 

I , 
I , , 

0.4 
I I , , 

I I 
I , 
I , , 

I 
0.2 I I 

I , , • I , , 
I 

0.0 
, 

---

Volts x 10-3 0 4 8 12 ns 

700.00 =o-----~----__r_----_.,.-_= vI 
::: :f"-.... - _._.\ yj . 

. . 
400.00 I 

::: I 
0.00 ........ .: 

0.00 5.00 10.00 15.00 Time/ns 

Figure 9.5 Lossless line simulation; voltages on active line. 
Top: Published results. Bottom: Present method 
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Figure 9.6 Lossless line simulation; voltages on quiet line. 
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9.3 Nonuniform Transmission Line Examples 

The objective of this section is to demonstrate the use of the s-macro capa

bility of our program to enable the simulation of nonuniform transmission lines. 

Two examples were studied. In the first example, the nonlinear circuit of figure 

9.1b is used except that the microstrip lines are nonuniform now. The top view 

of the conductors is drawn in figure 9.9 below. 
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Figure 9.9 The geometry for the nonuniform transmission lines. 
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Figure 9.10 Voltage waveforms on uniform and nonuniform transmission lines. 
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The spacing is kept the same (10 pm) while the width of the lines was varied 

linearly from 10 pm on the driver side to 20 pm on the receiver side. The nonuni

form lines were approximated by 10 uniform sections, each of length 0.5 em, as 

shown in figure 9.9. Using the macro capability of our program, the overall s

parameters (a 4x4 macro matrix) were derived and subsequently used to simulate 

the transients due to the input signal shown. Figure 9.10 compares the volt

age waveforms for the uniform and nonuniform cases. The distortion due to the 

nonuniformity of the lines is clearly visible, and can be attributed to the varying 

characteristic impedance of the lines along the propagation axis. In both cases, 

losses were neglected even though our simulator can handle lossy nonuniform lines 

terminated in nonlinear devices. It is interesting to notice that the distortion due 

to losses and nonuniform cross-section may sometimes add up and produce a mag

nified distortion, while in other cases they may cancel each other out, producing 

a reduced total distortion. 

It is hard to find published results for nonuniform lines driven by nonlinear 

drivers for comparison and verification purposes. The second example of nonuni

form line simulation considers the linearly terminated circuit shown in figure 9.11. 

The pair of nonuniform transmission lines shown may typically exist on a chip 

carrier. This example was studied by Palusinski et al. [26], where a spectral 

method based on Chebyshev polynomials was used. The thickness of the lines, 

as well as the height of the dielectric were kept constant, while the width of the 

lines varied as shown. A ramp was used to drive the first line with a risetime of 

0.1 ns and magnitude 1 volt. The voltage waveforms on the active and quiet lines 

are compared in figures 9.12 and 9.13 respectively. Notice the overshoot exhibited 

at the near end of the driven line which would not be present if the lines had a 
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uniform cross-section. This overshoot is attributed to the increasing characteris-

tic impedance along the lines which in turn causes positive reflections due to the 

mismatches. 

30 mils 1------------ ....,______.... 
40 mils 

30 mils 1------------ --------------------------·· ······················-----------~ t 10 mils 

lcm lcm lcm 
a) 

Air 

50 1 1=3 em 3 50 p •..m.: .. I j_ Vin 

21 4 -

L 
*NNV.,; I 

~ 50 Vin/V 
1 

0.1 
c) 

Time /ns 

Figure 9.11 Interconnection geometry used in [26]. a) Top view of metallization. 
b) Geometry of cross-section. c) Circuit diagram and driving voltage. 
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Figure 9.12 Nonuniform coupled lines; voltages on active line. 
Top: Published results based on Chebyshev methods. 
Bottom: Present method. 



OP2~r---------------------------~ 

0.020 

0.010 

~ i 0.000 

-0.005 

.\ , 
V~ II " ' .. I 

I ' 
I : 8 
I , , , 
, I , , , , 
\ I 
'./ 

Volts x 10-3 

20.00 

15.00 

10.00 

5.00 

0.00 

-5.00 

-10.00 

-15.00 

-20.00 

. . .............. 

. . 
. 

: ./ . ..-
~ ... 

'" 

132 

0.00 0.20 0.40 0.60 0.80 1.00 Time/ns 

Figure 9.13 Nonuniform coupled lines; voltages on quiet line. 
Top: Published results based on Chebyshev methods. 
Bottom: Present method. 
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Very good agreement can be seen between our results and the results in [26], 

except for the small oscillations observed at the far end waveforms of the published 

results. Obviously, no voltage should appear at the far end before the shortest 

modal delay of the system which is about 0.16 ns in this case. In this sense, our 

results should be regarded as more accurate than the results in [26]. 

9.4 Study of a Typical Packaging System 

To demonstrate the capabilities of our simulator and to point out the usage of 

s-parameter macros in reducing the simulation time, the comprehensive intercon

nection problem shown in figure 9.14 is considered. Single chip carriers (SCC) are 

mounted on cards which are in turn mounted on a printed circuit board (PCB) 

through connectors. The electrical signals travel from the CMOS drivers on the 

sending chip through the wire bonds to the traces on the package, then through 

the package pins to the card traces and from there through the connectors to the 

board traces and through a similar path to the receivers on the receiving chip. 

The structure of the card and board interconnections is a stripline configuration 

and the relevant dimensions are shown in figure 9.15. The traces on the pack

ages are considered as lossy nonuniform transmission lines. The width of these 

lines is assumed constant while the spacing varies linearly from 0.2 mm to 0.5 

mm. The pin and bond wire physical description is shown in figure 9.17 along 

with their lumped models which were obtained from the AZtec software [52]. The 

electrical model of the whole system is depicted in figure 9.18 The blocks labeled 

"wb", "pin" and "con" contain the lumped models for the wire bond the pin and 

the connector respectively. For the worst case scenario, the two outside lines are 

driven with a 5 volt pulse of 0.1 ns rise time and 5 ns width, while the middle line 

is kept quiet to observe the crosstalk level generated on it. 
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Figure 9.14 The geometry for a typical packaging system. 
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Figure 9.16 Description of bond wire, connector and pin parasitics and their models. 
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Figure 9.17 The electrical model for the packaging system of figure 9.14. 

The results of the simulation are shown in figures 9.18 and 9.19. VI and V4 

are the near and far end voltages on the top active line, while V2 and V5 are 

the near and far end voltages on the middle line which is quiet. The above nodes 

are clearly shown in the equivalent circuit model in figure 9.17. The lines were 

not match terminated at the driver or receiver end. The reflections are therefore 

more pronounced. The top part of each figure shows the resulting voltage wave

forms when all conductor losses were neglected, while the bottom part shows the 

waveforms when all conductor losses were taken into account. In this particular 

circuit, the losses did not playa very important role even though slight differences 

can be observed between the lossless and lossy cases. The maximum crosstalk 

---------
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level is about 1.2 volts which by itself is not enough to cause false switching of the 

receivers. However, no power or ground parasitics were used in this simulation, 

resulting in zero switching noise. The total noise will be a combination of switch

ing, reflection and crosstalk noises which needs to be studied further in order to 

determine if its level is acceptable. 

-------
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Figure 9.18 Voltages on the active lines for the packaging system study. 
a) With losses neglected. b) With losses included. 
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Figure 9.19 Voltages on the quiet line for the packaging system study. 
a) With losses neglected. b) With losses included. 
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CONCLUSIONS AND FUTURE WORK 

Packaging technology has received increased attention in the last few years 

because the need for the design of more efficient packages and multi chip modules 

has become apparent. Recent microelectronic advances are calling for ever increas

ing device densities, higher clock frequencies (in the order of a few hundred MHz) 

and shorter signal rise times. As a result, delays, crosstalk and attenuation due 

to transmission line effects as well as switching noise are the cause of significant 

signal degradation that can lead to false switching and loss of data. 

For the proper electrical design of a package, a clear understanding of the 

structure and the current paths is needed under different conditions. Since the 

complexity of the circuit renders analysis by hand impossible, the availability of 

a circuit simulator able to handle lossy and nonuniform transmission line systems 

with nonlinear terminations becomes very important. Most commercially available 

simulators are restricted to lossless transmission lines. Some simulators offer lossy 

transmission line capability by using a distributed RLC ladder network which is 

very inefficient in terms of computational time. 

In the present work, a method has been developed to model coupled transmis

sion lines with frequency dependent parameters. The lines can also be nonuniform 

and can be terminated with standard nonlinear devices. The scattering parameter 

representation for the transmission lines was used. Scattering parameter models 

have been developed for linear elements, including coupled lossy transmission lines 

and dependent current and voltage sources. The relevant theory for the frequency 

domain simulation of linear networks based on s-parameters was formulated. It 

was also shown how time domain models can be developed for the transmission 

lines using the inverse Fourier transform. These time domain models were incor-
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porated into a SPICE-like simulator, therefore enabling the transient simulation 

of circuits containing several transmission line systems and standard nonlinear 

devices (such as diodes, BJT's, MOSFETS etc.), connected arbitrarily. Filtering 

of the impulse responce of the system was used to reduce the oscillations due to 

Gibb's phenomenon associated with the inverse Fourier transform. 

A significant advantage of our simulator is its ability to generate compact 

s-parameter models for linear networks. A large linear circuit containing several 

transmission line systems can be reduced to a smaller model called an s-macro. 

This s-macro model can be stored and used subsequently in simulations with 

different terminations or driving signals, therefore drastically reducing the com

putational time. In some of the examples studied, more that a ten-fold reduction 

in computer time was achieved. In addition, the macro capability allows for the 

simulation of coupled, lossy, nonuniform transmission lines by partitioning them 

into several uniform sections, deriving the s-parameters for each section and finally 

generating a reduced s-macro model. 

One additional advantage of the scattering parameter formulation is its gener

ality, which enables the simulation of non-TEM structures. Scattering parameters 

can be derived from a full wave analysis of a structure and then used for time do

main simulation. Further work will be directed toward this goal. Future work also 

includes investigating the use of the frequency-dependent characteristic impedance 

matrix Zc, as the reference impedance for the s-parameters of a lossy transmis

sion line system and a comparison with the method used in this work to determine 

which method is more efficient. In addition, filtering of the s-parameters needs to 

be examined further to quantify the numerical error involved. Different discretiza

tions of the convolution integrals, such as trapezoidal and Simpson's rule, can be 

---.---. 
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used to improve the accuracy of the calculations. Finally, improvements can be 

made in the automatic selection of the IFFT grid, depending on the excitation 

signals, and the transmission line frequency-dependent parameters. 
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APPENDIX A 

Part I 

S-parameters for single T-line 

Starting with equations (4.30) (4.31) and (4.33a) and assuming that the form 

of the solution of (4.33a) is 

(4.31a) can be solved for the current 1 

where Zc is the characteristic impedance of the line and is given by 

R+JwL 
G+JwC 

At x=O and x=l equations (A.1) and (A.2) take the form 

V(O) = G+ +G-

1(0) = ..!... (G+ + G-) 
Zc 

V(l) = e--r1G+ + e-r1G-

I(Z) = ~ (e--r1G+ - e-rIG-) 
Zc 

(A.l) 

(A.2) 

(A.3) 

(A.4) 

(A.5) 

(A.6) 

In addition to the above expressions, the voltages and currents at the two ends of 

the line (x=O and x=l) are also given in terms of the a and b waves of figure 4.9 

and are listed below: 

(A.7) 
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(A.8) 

(A.9) 

(A.I0) 

Notice that the direction of 1(1) is opposite to 12 and this was taken into account 

in (A.I0). First, the constants G+ and G- are solved for from (A.3) and (AA) 

and are substituted into (A A) and (A.5) to give 

Vel) = ~e-'Yl (V(O) + l(O)Zc) + ~e'Yl (V(O) - l(O)Zc) 

l(1)Zc = ~e-'Yl (V(O) + I(O)Zc) - ~e'Yl (V(O) - l(O)Zc) 

(A.11) 

(A.12) 

With the help of hyperbolic sines and cosines (A.ll) and (A.12) reduce to 

V(l) = V(O)cosh(')'l) - l(O)Zcsinh('"'(I) 

1(1) = l(O)cosh( '"'(I) - 1~~) sinh( '"'(I) 

(A.13) 

(A.14) 

Equations (A.7) through (A.I0) are used in the above equation to obtain the 

following system of equations 

(A.15) 

(A.16) 

Next, b2 is eliminated from the above system, and b I is expressed in terms 

--- -------- ---------
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[( 
{b; _ (fu\ cosh(,l) + ( Zc _ ..jZrl Z r2) Sinh(,l)] 

b
y Z;; Y Z";2 ) ...;z;::;z;:; Zc 

1= ~ 

( {b; + (fu\ cosh('"Vl) + ( Zs + ~) sinh('"Vl) y Z;; y Z";2) I ..jZrl Z r2 Zc I 
.. ... rI 

811 (A.17a) 
2 

+ ~ 
( {b; + (fu\ cosh(,l) + ( Zs + VZ;;Z;;) sinh( ,I) y Z;; Y Z";2) JZrlZr2 Zc 

, Wi' ., 

8 12 

from which Sl1 and S12 are identified as shown above. Equations (A.17a) are 

symmetric in Zr1 and Zr2. By inspection the expressions for S22 and S21 are given 

by 

( ~ -.- ~ cosh('"Vl) + ( Zk - ~) sinh('"Vl) V z.:; Y ·z;;} I ..jZr2Zrl Zc I 

822= ~~~--~==~--------~~~~------~------
( {i;; + (b;\ cosh('"Vl) + ( Z, + ~) sinh('"VI) yZ";2 YZ;;) I ~ Zc I (A.17b) 
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Part II 

S-parameters for N Coupled, Lossy Transmission Lines 

Referring to figure 4.10 let us define the following vectors at the two ends of 

the transmission line 

V(O) ~ {t}, (A.18a) 

(A.18b) 

In addition let us denote the incident and reflected wave vectors as aL, aR bL, bR 

respectively, where the subscripts "L" and "R" serve to distinguish between the 

left and right end of the structure of figure 4.10. 

Evaluating the voltage and current vector solutions in equations (4.44) and 

(4.45) respectively, at the two ends of the transmission line system we have 

Atx=O 

At x=l 

V(O) = Cb [G+ + G-] 

1(0) = Z;;-lCb [G+ - G-] 

Vel) = CJ) [e-rIG+ + erIG-] 

1(1) = z;;-lCb [e-rIG+ - erIG-] 

--_ .. _._.-

(A.20) 

(A.21) 

(A.22) 

(A.23) 



148 

We also define ZrL and ZrR as the matrices containing the reference impedances 

on the left and right side of the transmission line system respectively, in figure 

4.10. These matrices can be either full or diagonal. 

Equations (A.20) and (A.21) are solved for G+ and G- to get 

G+ = ~~-l (Y(O) + ZcI(O») 

G- = ~q;-l (Y(O) - ZcI(O») 

(A.24) 

(A.25) 

The expressions for G+ and G- are then substituted in (A.22) and (A.23) to 

obtain the following results relating the far end voltages and currents to the near 

end ones 

Vel) =~q; [e-rIcp-l (Y(O) + ZcI(O») + erl~-l (Y(O) - ZcI(O»)] (A.26) 

1(1) = _~Z~lq; [e-rIq;-l (Y(O) + ZcI(O») - er1cp-l (Y(O) - ZcI(O») ](A.27) 

Finally, the voltage and current vectors are substituted in terms of incident 

and scatterred waves (a and b ), 
1 

YeO) = Z:L(aL + bL), 

1 

1(1) = Z~l (aR - bR) 
(A.28) 

to obtain the following equation relating incident and scattered waves 
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Multiplying (A.30) on the left by ZrR and adding the result to (A.29), bR is 

eliminated to arrive at 

(A.31) 

where P = CJe-r1 q;-1. Solving for bL, we can identify the 8 11 and 8 12 subma

trices as the factors multiplying aL and aR respectively. In a more compact form 

we then obtain 

811 = _z~t [(U - CR)P(U - Cd + (U + CR)p-l (U + CL)]-1 

. [(D -CR)P(U + CL) + (U + CR)p-1 (U - CL)] Z:L (A.32) 

812 = z~t [(U - CR)P(U - CL) + (U + CR)p-l (U + CL)] -14Z:R (A.33) 

where 
U = Identity matrix of order N 
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From the symmetry of (A.32) and (A.33) in terms of ZrL and ZrR we can 

write down the expressions for 8 22 and 8 21 as 

822 = -Z;J [(u -CUp(U - Ck) + (U + CUp - 1 (U + Ck)]-1 

. [(U - CUP(U + Ck) + (U + CUp-1 (U - Ck)] Z:R 

where now 
ct = ZrLZ~1 

ck = ZcZ;J 

(A.34) 

If the incident and reflected wave vectors (a and b) are defined as voltage waves 

the s-parameters simplify somewhat to: 

811 = - [(U - CR)P(U - CL) + (U + CR)P-1 (U + CL)]-1 

. [(U - CR)P(U + CL) + (U + CR)p-l (U - CL)] 

S12 = 4 [(U - CR)P(U - CL) + (U + CR)P-1 (U + CL)]-1 

822 = - [(U - CUp(U - Ck) + (U + CUp-1 (U + Ck)]-1 

. [(U -- CUp(U + Ck) + (U + CUp-l (U - Ck)] 

821 = 4 [(U - CUp(U -- Ck) + (U + CUp-l (U + Ck)]-1 

-------
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Part III 

S·parameters for N Coupled 'I'ransmissin Lines at DC (w = 0) 

When the frequency is zero, and either the conductor losses, R, or the di

electric losses, G, or both are zero, the transmission line equations need to be 

modified and solved accordingly. We have the following three cases: 

i) When R# 0 and G= 0 

The transmission line equations from C 4.39) simplify to: 

_dI---,C_x ,_w--,-) = 0 
dx 

dVCx,w) = RICx,w) 
dx 

By integrating the above equations we obtain 

I=A 

v = -RAx+B 

where A and B are some constant column vectors which depend on the boundary 

conditions. Evaluating the above equations at x = 0 and x = 1 we have 

1(0) = 1(1) = A 

YeO) = B, V(I) = -RAI + B 

Using (A.28) with ZrL = ZrR = Zr to express the voltages and currents in terms 

of incident and scattered waves the following system is obtained 

bR - aR = aL - b L 

_~ _1.( ) 
b R + aR = -Zr 2 RZr 2 aL - bL 1+ aL + bL 

After eliminating bR and solving for bL we have 

[ 1 1 ] -1 [1 1 ] r 1 1 ]-1 b L = 2U + Z;2RZ;21 Z;2RZ;21 aI, + 2 L2U + Z;2RZ;21 aR 
, , .. " v T 

5 11 512 



in which Sll and S12 are identified as shown above. 

ii) When R= 0 and Gi 0 

The transmission line equations from (4.39) now become: 

dV(x,w) = 0 
dx 

dI(x,w) = GV(x,w) 
dx 

By integrating the above equations we obtain 

V=A 

1= -GAx+B 
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where A and B again are some constant column vectors which depend on the 

boundary conditions. Evaluating the above equations at x = 0 and x = 1 we have 

yeO) = Vel) = A 

1(0) = B, 1(1) = -GAl + B 

Using (A.28) with ZrL = ZrR = Zr to express the voltages and currents in 

terms of incident and scattered waves the following system is obtained 

1 1 

bR - aR = -Z!GZ! (aL + bL)l + aL - bL 

After eliminating bR and solving for bL we have 

[ 1 1 ] -1 [1 1 ] [ 1 1 ]-1 b L = - 2U + ZlGZl1 ZlGZl1 aL + 2 2U + ZlGZll aR 
.. ., , , 

or 

5 11 

in which Sll and S12 are again identified as shown above. 



iii) When R= 0 and G= 0 

The transmission line equations from (4.39) now become: 

_av_(.:.,-x-,-, w~) = 0 
dx 

dI(x,w) = 0 
dx 

Following the same procedure as for the cases above it is trivial to show that 

8 11 = 822 = 0 and 812 = 821 = U 
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