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Abstract 

A low output ripple and noise converter is achieved by employing a zero-voltage 

switch(ZVS), an integrated magnetics structure which couples a transformer and several 

coupled inductors in one core, and several auxiliary packaging designs. In the steady-state 

analysis, the operation of ZVS converter is described and the ZVS switch resonant 

component design procedure is developed. An optimized geometrical core constant 

integrated magnetics design procedure is proposed. Some auxiliary packaging design 

considerations are addressed. The converter ac analysis is divided into two parts to 

observe the individual small signal effect introduced by the ZVS switch and coupled 

inductor. The uncoupled-inductor converter ac analysis is conducted by a new approach: 

an extended circuit averaging method. The converter ac model is obtained by substituting 

in the coupled inductor ac model to the uncoupled-inductor converter ac model. It is found 

both the dc coupled inductor zero current ripple condition and the ac converter transfer 

function response are affected by the turns ratio and the leakage inductance of the coupled 

inductor. Hence, the converter dc and ac designs are coupled by the coupled inductor 

operation. Experimental results of the dc and ac analysis of a ZVS converter with coupled 

inductor are shown. Integrated magnetics achieves less than 3% peak-to-peak current 

ripple on both coupled inductors at the same time. The equivalent result by separate 

magnetics approach requires twice the volume implemented by the integrated magnetics 

structure. 
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CHAPTER I. INTRODUCTION 

1.1 Statement of the Objective 

The goal of this research is to build a low output noise and ripple dc/dc switching 

converter. Before any discussion of how to achieve this goal, the definition of the noise 

and ripple in switching converters is clarified. Electromagnetic interference (EM!) of 

switching converters is defined as power produced by the converter that appears at any 

frequency other than the desired frequency, i.e., dc, and which somehow affects the 

converter environment(i.e., the output and the input directly connected to switching 

converters, and converter nearby circuits, as shown in Fig. I -l(a)). Electromagnetic 

interference created by dc-to-dc switching converters consists of two components [I -2]: 

I) ripple is defined as the interference created by the natural switching action of the 

converter, which has components at harmonics of the switching frequency, and 

2) noise is defined as the interference arising from the excitation of various resonance of 

parasitic (unintended) inductances and capacitances, consisting of unpredictable 

frequencies depending on the resonant elements. 

These undesired components of converter operation (ripple or noise) can be 

communicated to the environment in two ways (Fig. l-l(b»: via conduction paths to the 

line or load, or via the electric and magnetic fields that invariably accompany either 

stationary or moving charges. 

Consequently, any attempt to build a "low noise" converter must address all 

aspects of the interference problem. First, if the power waveforms are shaped to reduce 

the number of significant switching frequency harmonics, then fewer harmonics will be 

transmitted to the surroundings. This approach gives rise to the use of resonant and 

quasi-resonant converters to process power without the harmonic-rich square waveforms 
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associated with PWM converters. Secondly, parasitic resonance must be eliminated. 

Two approaches are possible here: one is to minimize the number of parasitic elements 

that are created, which can be done by careful packaging and component design, another 

is to incorporate the parasitic elements into the operation of the converter (at which time 

they are no longer parasitic elements). Again, the use of resonant power conversion 

facilitates this second approach if the parasitic elements occur in such a manner as to add 

to the intended resonant elements of the converter. 

However, even after great pains are taken to prevent the generation of 

interference, both switching frequency harmonics and parasitic elements are inevitably 

present in real converters. Consequently, the secondary problem becomes one of 

preventing the transmission of this interference to the environment. Prevention of 

conducted interference is primarily a matter of filtering, or attenuation of undesired 

current and voltage components via energy storage components, whereas prevention of 

field interaction is primarily done by shielding, or attenuation of the fields via high 

conductivity or high permeability enclosures surrounding the converter before they reach 

the environment. 

In this research, to achieve the goal of building a converter with low ripple and 

noise output voltage and current, a number of noise reduction techniques are used in 

combination. An earlier investigation [1-2] shows that there is real merit in the use of the 

quasi-resonant zero-voltage switching to reduce the switching frequency harmonics 

interference. In addition, coupled inductors [3-8] are used in the converter, which 

provide better filtering performance than the usual filter inductors. By coupling inductors 

together, ideally zero inductor current ripple can be achieved by steering the current 

ripple from the ripple-sensitive inductor windings to the less ripple-sensitive inductor 

winding. Hence the switching frequency ripple at the converter output is greatly reduced. 

For converters with isolation or multiple-output transformer. an integrated magnetics 
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structure which combines the transformer and coupled inductors is used. It accomplishes 

substantial magnetics volume reduction in addition to the original ripple current steering 

phenomena. Furthermore, various packaging and layout techniques for minimization of 

the switching and parasitic harmonics are employed. 

To build a converter with quasi-resonant switch and integrated magnetics 

structure, a number of issues must be addressed. The steady-state operation of the quasi

resonant converter must be characterized. A design procedure for the quasi-resonant 

switch resonant inductors and capacitors must be developed. An integrated magnetics 

design procedure must be derived. The effect of the packaging and layout design must be 

analyzed. To close the loop for stable converter operation, the small signal behavior of 

the converter must be well understood. In the following sections, the distinct aspects and 

consideration of these noise-reduction techniques are discussed, and an overview of the 

research is presented. 

1.2 Quasi-Resonant Switching 

In the earlier research[ 1-2], the quasi-resonant converters including both the full

wave and half-wave, zero-voltage switching(ZVS) and the zero-current switching(ZCS) 

converters, are compared both theoretically and experimentally to the pulse-width 

modulated(PWM) converters in their noise generation characteristics. Theoretically, the 

ideal switch and catch diode current waveforms of quasi-resonant and PWM converters 

are Fourier-transformed to compare the switching frequency harmonic contents of the 

waveforms in the frequency domain. Two measures of merit are used for this 

comparison. The 3dB bandwidth of the Fourier spectrum is defined as the frequency 

where the magnitude of its content has dropped 3dB below the magnitude of the 

fundamental. The total bandwidth of the Fourier spectrum is defined as the frequency 

where the magnitude of its content has dropped below 1 % of the magnitude of the 
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fundamental. Although quasi-resonant converters have the higher 3dB bandwidth than 

PWM converter, they have the lower total bandwidth than PWM converter. For typical 

nonideal filter components, it is the higher order switching frequency harmonics that are 

more difficult to filter, which appear as the noise at the output. Hence, the higher order 

switching frequency harmonics per unit output power of the quasi-resonant converter is 

lower than that of the PWM scheme. Among quasi-resonant converters, the full-wave 

zero-voltage switching converter is found to have the lowest total bandwidth of the 

switch and catch diode current waveforms. In addition, the bandwidth of the switch and 

catch diode currents of the full-wave zero-voltage switching seems to be relatively 

independent of the l')ad and the switching-frequency changes. This issue is important for 

the quasi-resonant converters. Because they are switching-frequency controlled, wide 

load variations lead to wide changes in the switching frequency, which can affect the 

attenuation performance of the filter network. Experimentally, the high frequency 

parasitic oscillations are characterized. The zero-voltage switching converter appears less 

susceptible overall to parasitic oscillations than the zero-current switching converter and 

the PWM conve11er, both in the transistor switch and the catch diode waveforms. From 

the result of the noise generation investigation, the zero-voltage switching converter is the 

better switch topology for the low output noise and ripple application. 

In Chapter II, the steady-state operation of zero-voltage switching converter is 

described. A useful concept of normalization is used to obtain general result independent 

of the converter operation condition. The excitation circuit and the phase plane of the 

ZVS switch resonant tank are constructed. Converter component stresses are fonnulated. 

The ZVS converter output equation is derived, from which the converter output plane is 

plotted. The ZVS resonant component design procedure for a single-output converter is 

given. Extended ZVS resonant component design procedure for multiple-output 

converter is also presented. 
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1.3 Inductor Current Ripple Steering and Magnetics Integration 

To prevent unavoidable interference from being conducted to the line or load, 

some means of filtering must be employed. Most dc/dc converters have a one-pole or 

two-pole filter on their output that attenuates switching ripple. Better performance can be 

accomplished by the addition of a second filter stage. However, to significantly affect 

switching frequency ripple, the second filter stage must be of approximately the same cut

off frequency and power capability as the first filter stage, which increases the physical 

volume and weight of the overall converter. Furthermore, the second filter stage adds 

phase shift to the converter loop gain, which makes the converter feedback loop more 

difficult to design. 

Coupled inductors as an alternative for the second filter stage appear attractive in 

low noise and ripple, and magnetics volume reduction applications[3-7]. Several 

inductors can be coupled in a common core whenever the voltages across each winding 

are proportional. It has been shown[3-4] that the inductor current ripple can be steered 

from the ripple-sensitive windings to the less ripple-sensitive winding by a suitable 

choice of the leakage inductances and turn ratios in the coupled-inductor assembly[4]. 

Coupled inductors, then, offer the possibility of additional output current ripple 

attenuation without the addition of a second two-pole filter. In fact, coupled inductors 

can reduce the size and weight of the converter by reducing the number of cores used in 

the converter even in the case without the second stage filter. Since the number of energy 

storage states is the same or less than that of the converter with discrete inductors 

(neglecting leakage inductances), better filtering (ideally) is obtained without an increase 

in the phase shift of the converter loop gain. Consequently, it is desired to incorporate 

the coupled-inductor technique in the design of the low-noise converter. 

Integrated magnetics, which is based on coupled inductors and incorporates a 

transformer and several coupled inductors in one core, is a step further adopted in the low 
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noise and ripple reduction design. If the voltage waveforms of the transformer and 

coupled inductors are proportional, the ripple of all the coupled inductors can now be 

steered to the transformer where ac waveform exists naturally, instead of steering the 

ripple of inductors to one particular inductor where dc waveform is usually expected. In 

this research, integrated magnetics is used instead of the coupled inductors. 

Currently, there is an integrated magnetics design procedure[5-6] derived from a 

coupled inductor design[4]. The existing integrated magnetics design has several 

disadvantages. It contains ambiguity and contradiction in the core size selection step. 

This design gives the core size, air gap, and numbers of turns of windings of the 

integrated magnetics structure. A major inconvenience of this design inherited from the 

coupled inductor design, is that a second process of wire gauge design is needed to fit the 

wires into the core window area. To avoid rewinding the core, a large number of wire 

gauge is used, which results in more copper power loss. To achieve low copper power 

loss by using a small number of wire gauge, we may have to rewind the core. The copper 

power loss of the integrated magnetics structure, hence, is not known until the design is 

completed. Therefore, the existing integrated magnetics design is neither an optimal nor 

an efficient design procedure. In this study, a geometrical core constant integrated 

magnetics design procedure is developed. It solves the disadvantages linked to the 

existing design by incorporating the second wire gauge design into the first part of the 

existing design with the copper power loss as one design input parameter. Extension of 

this new design procedure for multiple-output converter is given. Degeneration of this 

design can also be an alternative to the existing coupled inductor design, but with 

efficiency and optimization incorporated. 

In Chapter III, the inductor current ripple steering operation of the coupled 

inductors is briefly reviewed. The disadvantages of the existing coupled inductor and the 

existing integrated magnetics designs are investigated. The geometrical core constant 
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integrated magnetics design procedure is developed. Derivation of the design procedure 

for a design example is demonstrated. The extension and degeneration of this design are 

illustrated. 

1.4 Packaging Design and Converter Steady·State Prototype Experimental Result 

As mentioned earlier, unintentional inductances and capacitances can resonate in 

the converter circuit, which results in undesired oscillations that appear superimposed on 

the dc output voltage of a switching converter. Resonant switching schemes can 

accommodate some of these parasitic elements, but some parasitic elements stiIl remain. 

Some parasitic elements are unavoidable, such as the junction capacitances of diodes or 

the leakage inductance of a transformer. Other elements can be reduced significantly. 

such as the inductance of a connecting trace on a circuit board. Two frequently-used 

methods in the packaging design to reduce the parasitic inductance is to reduce the length 

or to increase the circumference of the connecting trace. This is achieved by careful 

circuit layout. Another issue in the packaging design is the connection of the converter to 

the outside world. The cable between the converter and the output load itself can be a 

source of undesired resonance that increase the ac voltage that appears at the output load. 

Special packaging design for the connecting cable and the load must be taken into 

account to reduce the undesired resonance. 

Parasitic elements also play a role in that they prevent the intentional circuit 

elements from behaving in an ideal manner. For example, the parasitic inductance and 

resistance of a capacitor change a parallel capacitor from a near short circuit in the 

working frequency range to a near open circuit at high frequencies. Consequently, for 

optimum switching frequency ripple rejection, high quality capacitors which function as 

capacitors in the desired frequency range must be used. Multi-layer ceramic capacitors 

are now available and used in the converter, which withstand large ripple currents, have 
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low ESR, and have high enough capacitance to obtain low cut-off frequencies in two-pole 

filters. 

In Chapter IV, the principle of optimizing the trace parasitics is investigated. 

Following the principle, a specialized load cable and load are constructed. The effect of 

unintentional parasitics to the non-ideal filter element itself is addressed. The prototype 

steady-state design of the converter includes the ZVS resonant components design in 

Chapter II and the integrated magnetics design in Chapter III. The prototype designs with 

converter specifications are demonstrated. The prototype ZVS resonant waveforms are 

shown. The experimental waveforms of current ripple steering are illustrated. Less than 

3% of current ripple is observed on both output inductors by the integrated magnetics 

structure from the geometrical core constant design. Integrated magnetics can reduce the 

volume and weight of the converter. To achieve the same result by integrated magnetics 

structure, twice the volume are required by separate transformer and filter inductors. 

1.5 Converter AC Analysis 

The study so far is focusing on the steady state operation. For a useful converter 

design, a necessary negative feedback loop is closed to result in a stable converter system, 

which requires ac analysis of the converter to design an appropriate feedback loop. The 

ac analysis of a converter with different switches and the coupled inductors is divided 

into two steps. First, an uncoupled-inductor converter is analyzed. An extended circuit 

averaging method is developed for the ac analysis of the general higher order (more than 

two filter elements) converters with the PWM or the quasi-resonant switches. Then, the 

coupled inductor ac model is inserted into the ac converter model derived in the previous 

step. By this approach, the individual ac effect of the respective mechanism introduced 

into the converter can be recognized. 
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The small signal analysis of the uncoupled-inductor converters is implemented by 

the extended circuit averaging method. The extended circuit averaging method 

incorporates the features of numerous previous resonant switch modeling procedures with 

the circuit averaging approach to obtain an intuitive circuit-oriented way of small signal 

modeling. A general converter small signal model is obtained from this method, where a 

general switch conversion parameter is employed. Hence, the converter small signal 

model is independent of the switch used in the converter. To obtain a specific converter 

ac model, the specific switch ac parameter is put into the general converter ac model. 

The transfer functions of the uncoupled-inductor converters are derived from the 

converter ac model obtained from extended circuit averaging method. Since the general 

converter model possesses all the dynamics information of the converter, the transfer 

function expressions of the PWM and ZVS converters are the same except that a different 

switch conversion parameter is used in the transfer function formula. Three ac models of 

the coupled inductor with different levels of complexity are used to derive the small 

signal model of the coupled-inductor converter. With the ideal coupled inductor ac 

model, the order of the converter transfer function decreases by two from the uncoupled

inductor converter transfer function, because the states of inductors and capacitors in the 

converter are coupled together. With parasitic resistances included into the coupled 

inductor ac model, the order of the converter transfer function increases by one from last 

transfer function, because the capacitor states are now decoupled by the resistances. 

Further including the leakage inductances into the coupled inductor ac model, the 

converter transfer function has an order higher than previous model, because a new 

inductor state is introduced into the converter ac model. 

Experimental results show that both the parasitic resistances and the leakage 

inductances of the coupled inductor must be included in the ac model to predict and 

match the actual response. The validity of the extended circuit averaging method is 
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proved by the match of the experimental and calculated transfer function response of both 

the coupled-inductor full-wave and half-wave ZVS converters. The parasitic resistance 

of the coupled inductor can affect the 10cation(RHP or LHP) of a pair of transfer function 

zeros. The minimum value of the resistance results in LHP zeros is found from the 

transfer function and is experimentally proved. The turns ratio and the leakage 

inductance of the coupled inductor are found to affect the high frequency transfer 

function response. In the dc analysis of the coupled inductor/integrated magnetics design 

in Chapter III, the turns ratio and the leakage inductance determine the current ripple 

steering(zero-current ripple) condition. Therefore, the turns ratio and the leakage 

inductance are found to be the design factors in both dc and ac design of the converter. 

In Chapter V, the extended circuit averaging small signal modeling method is 

developed. The uncoupled-inductor converter ac model and transfer functions are 

derived. Three coupled-inductor full-wave ZVS converter ac model and transfer functions 

are given. Several experimental transfer function responses are illustrated. 
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CHAPTER II. Steady State Analysis of Quasi-Resonant Converter 

2.1 Introduction 

In this study, two noise and ripple reduction techniques, the quasi-resonant zero

voltage-switching and the integrated magnetics, are used in a dual SEPle converter to 

implement a low output noise and ripple converter. The dual SEPle converter(also 

known as the Zeta converter) is one converter topology which works well with those two 

noise and ripple reduction techniques, at the same time providing required transformer

isolation and multiple-output capability. In this chapter, the steady state characteristics of 

the quasi-resonant zero-voltage-switched dual SEPle converter is examined, and a design 

procedure for the resonant components is developed. 

In the following discussion. the steady-state operation and observation of the 

quasi-resonant zero-voltage-switched dual SEPle converter is described in section 2.2. A 

useful concept of normalization is introduced in section 2.3, so that a general analysis 

result which is independent of the converter operation condition is acquired. For quasi

resonant converter steady state analysis, the phase plane and the output plane are usually 

constructed to obtain the converter component peak stresses and the resonant component 

design information. The process to construct the phase plane of the resonant components 

is demonstrated in section 2.4. From the resonant phase plane, the converter component 

peak current and voltage stresses are formulated in section 2.5. The converter output 

equation for the output voltage and the output current as a function of the switching 

frequency and the output load is derived from the averaging of the resonant capacitor 

voltage in section 2.6. An output plane is plotted from the derived output equation. 

Normally. a converter is operating within a specified output load range. From the output 

plane. the lower limit of the normalized output load range of this converter is constrained 
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to obtain normal ZVS converter operation. The upper limit of the normalized output load 

range of this converter must result in feasible converter component peak stresses. With 

appropriate selection of an operation point on the output plane, a design procedure for 

ZVS resonant components of a single-output converter is developed in section 2.7. An 

extended design procedure for a multiple-output converter is presented in section 2.8 

2.2 Steady-State Operation of Quasi-Resonant Converters 

Quasi-resonant converters(QRC) include: half-wave and full-wave zero-voltage 

switching(ZVS-1I2, ZVS-l) converters and half-wave and full-wave zero-current 

switching(ZCS-1I2, ZCS-l) converters. The steady-state operation of the quasi-resonant 

converters has been explored in detail in [9-13]. In the following discussion, only the 

operation of the ZVS converters are addressed. 

Figure 2-1 shows the circuit diagram and resonant component waveforms of the 

ZVS-l dual SEPIC converter. The resonant capacitor Cr, resonant inductor Lr, MOSFET 

switch, and mode diode DI consist the ZVS-l switch. Diode D2 is a catch diode which 

carries the filter inductor currents when the switch turns off. Capacitors C I, C2, and 

inductors L I, L2 are the energy storage (or filter) elements. The output load is resistor R. 

At time zero, the switch is turned off. The current (ILI+IL2) begins to charge the resonant 

capacitor until the resonant capacitor voltage equals (V g+ Vel). At time tIthe catch 

diode D2 turns on, and the resonant elements resonate until the resonant capacitor voltage 

goes below zero and returns again. For the ZVS-1I2 dual SEPIC converter, the circuit 

stops resonating the first time the resonant capacitor voltage reaches zero as shown in 

Fig. 2-2. For the ZVS-l converter, the switch can be turned on during the interval when 

the resonant capacitor voltage is still negative or the mode diode DI is reverse biased 

where zero volts are across the switch. For the ZVS-1I2 converter, the switch can be 

turned on during the interval when the resonant inductor current is still negative or the 
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circuit diagram and resonant waveforms. 
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mode diode D I is conducting where zero volts is across the switch. At time t2, for both 

ZVS-I and ZVS-1I2 converters the resonant inductor current begins to ramp up back to 

the initial current (IU+IL2). The switch can then be turned off and the next cycle begins. 

Because the switch is turned on and off with zero voltage across the switch, it is called 

zero voltage switching. 

Some useful steady-state information of the ZVS dual SEPIC converter is easier 

to observe from a PWM dual SEPIC converter which is obtained by replacing the quasi

resonant switch in Figs. 2-1 and 2-2 by a PWM switch. The dc voltage across the 

capacitor C) can be obtained from the LI-CI-L2-C2 loop, and is equal to the output 

voltage V (which is also the voltage across capacitor C2): 

VCI = VC2 = V (2-1) 

because the average voltage across the inductors L I and L2 is zero. The output voltage V 

relates to the input voltage V g by a converter conversion ratio M: 

V=MVg (2-2) 

For PWM dual SEPIC converter, the converter conversion ratio can be found by state

space averaging: 

M=D/(l+D) (2-3) 

The average input current of the PWM dual SEPIC converter is equal to the product of 

the switching duty ratio D(the on-time percentage of each switching cycle) and the switch 

current when the switch is on: 

(hl)=DX(/LI +h2) (2-4) 

Because the average current through the capacitor C2 is zero, the output current of the 

converter equals the inductor current IL2. AssuminglOO% converter efficiency, the 

average input power is equal to the average output power: 

V gD(Iu+IL2) = VIL2 = MV gIL2 (2-5) 
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With Eqs. (2-3) and (2-5), the dc current of the inductor LJ is found relating to the dc 

current of the inductor L2 by the converter conversion ratio M: 

(2-6) 

2.3 Normalization 

Nonnalization of a component voltage and current is frequently used in the phase 

plane analysis and the output plane analysis of a quasi-resonant switching converter. A 

normalized value is convenient because it shows the relationship between converter 

quantities of interest independent of the input voltage and the output load of the 

converter. Various normalized quantities are defined as follows. The normalized voltage 

m of a voltage v in the converter is defined as: 

(2-7) 

where V g is the converter input voltage. The characteristic impedance Ro is defined as: 

(2-8) 

where Lr and Cr are the resonant component values. The normalized value j of a current i 

in the converter is defined as: 
. i 

J= 
VgI Ro 

(2-9) 

The nonnalized frequency F is defined as: 

F=fflfo (2-10) 

where fs is the switching frequency, and fo is the resonant frequency of Lr and Cr. 

2.4 Excitation Circuit and Phase Plane Construction 

Phase plane is usually constructed in steady state quasi-resonant switching 

converter analysis to obtain the converter component peak voltage and current stress 

information. Excitation circuit of the resonant components helps to find the center of the 
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phase plane. The phase plane of a quasi-resonant converter shows the relationship 

between the normalized resonant capacitor voltage(x axis) and the normalized resonant 

inductor current(y axis) in one switching cycle. With the location of the center, the 

converter component stresses can be easily read from the phase plane. 

Before the construction of the phase plane, it is useful to find the center of the 

circular arc of the phase plane curve. The circular arc represents the interval at the time 

domain when the resonant elements oscillate. The center of the circular arc represents the 

excitation applied to the resonant elements during the switching interval the resonance 

occurs. The center reveals the information when the resonance begins and helps to find 

the radius which is the magnitude of the resonance. Knowing the center also facilitates 

the work to find the peak voltage and current stresses of the resonant components. To 

find the center, we need to find the excitation of the resonance first. The excitation of the 

resonance can be found from an excitation circuit. The excitation circuit is obtained by 

the following transformation from the converter circuit diagram: 

1) The switch is open and the catch diode is short if the resonance occurs when the switch 

is off: the switch is short and the catch diode is open if the resonance occurs when the 

switch is on. 

:2) The filter inductors (L I and L2 in this case) are replaced by current sources of 

equivalent dc value: and the filter capacitors (CI and C2 in this case) are replaced by 

voltage sources of equivalent dc value. 

3) The center is now determined by the total voltage and current that excite the resonant 

components in the excitation circuit. 

Use Figs. 2-1 and 2-2 as examples. For the ZVS converters in Figs. 2-1 and 2-2, 

the resonance occurs when the switch is off. The excitation circuit of the ZVS converters 

transformed from Figs. 2-1 and 2-2 is shown in Fig. 2-3(a). The excitation of the 

resonant components Lr and Cr consists of voltage sources V g and Vel and no current 
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Fig. 2-3 (a) Excitation circuit of ZVS dual SEPIC converter. 
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source. With normalized notation, the center of the circular arc in the phase plane is 

found to be (1 +M, 0). 

The phase plane of the resonant circuit is constructed from their time domain 

resonant waveforms. It is much easier to construct with knowledge of the center. For 

instance, the phase planes of the ZVS dual SEPle converters are constructed from the 

resonant component waveforms in Figs. 2-1 and 2-2, as shown in Fig. 2-3 (b) and (c). 

From time 0 to time tl, the normalized resonant inductor current remains at the value of 

(1L1+JL2), and the normalized resonant capacitor voltage increases from zero to (1+M). 

It is represented by a horizontal straight line in the phase plane connecting points (0, 

JLI+JL2) and (l+M, JLI+JL2). At time tl, the resonance begins. In the phase plane, the 

resonant waveform is represented by a circular arc with the center (1 +M, 0) found 

previously. The radius of the circular arc is the distance between the point (1 +M, 

JLI+JL2) and the center (l+M, 0), which is the value of (JLI+JL2). For the ZVS-1I2 

converter, the resonance stops at the first time the resonant capacitor voltage reaches 

zero, as shown in Fig. 2-3(b). For the ZVS-I converter, the resonance stops at the second 

time the resonant capacitor voltage reaches zero, as shown in Fig. 2-3(c). At time t2. the 

switch is closed and the resonance stops. The resonant capacitor voltage remains at zero, 

and the resonant inductor current increases back to the initial value of (JLI+JL2). It is 

represented by a vertical straight line. After the resonant inductor current reaches 

(JLI+JL2), the phase plane curve stops at point (0, JLI+JL2) until the switch is turned off 

again and the next cycle begins. 

2.5 Converter Component Stresses 

The knowledge of the center and the phase plane allows us to read the peak 

stresses of the resonant component fairly easy. For the ZVS converters, the peak stresses 

of the resonant component happen to be the switch transistor voltage and current stresses 
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as can be realized from the circuit diagram in Figs. 2-1 and 2-2. The radius (i.e., the 

normalized magnitude of the resonance) of the circular arc of the ZVS dual SEPIC 

converters is (JLl+1L2) as can be seen from the phase planes in Fig. 2-3. From the phase 

planes and with Eq. (2-9), the de-normalized peak transistor current stress ITpk (also the 

resonant inductor current stress) is found as: 
Vg Vg 

ITpk =-(JLI +h2)=-h2(1+M) 
Ro Ro 

(2-11) 

and the de-normalized peak transistor voltage stress VTpk (also the resonant capacitor 

voltage stress) is: 

(2-12) 

Note that Eqs. (2-11) and (2-12) suggest that low conversion ratio M and/or low 

normalized output current JL2 are required to reduce both the switch transistor current 

and voltage stresses. The catch diode peak voltage stress which happens when the switch 

is on is found from the circuit in Figs. 2-1 and 2-2 to be: 

(2-13) 

where V 0 is the output voltage. Note that the normalized magnitude of the resonance is 

found earlier to be (JLl+JL2) whose de-normalized value is (lLI+IL2). The catch diode 

peak current stress happens at the most negative point of the resonant inductor current 

when the switch is off. At that moment, three inductor (LI, L2, and Lr) currents flow 

through the catch diode. Hence, the peak catch diode current stress is: 

IDJlk =2(lLl +IL2 )=2Io(1+M) (2-14) 

where 10 is the output current. 

2.6 Output Plane Derivation 

An output expression of the ZVS-l dual SEPIC converter is derived from the 

averaging of the resonant capacitor voltage. The output expression can be plotted into an 
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output plane. The output plane of a resonant converter usually shows the relationship 

between normalized output voltage(represented by x axis) and normalized output current 

(represented by y axis) with normalized switching frequency as a variable parameter for 

various curves in the output plane. With normalized value, the output plane remains the 

same even though the converter operation condition(i.e., the input voltage and the output 

power) is changed. 

The output expression of the ZVS dual SEPIC converter is obtained by averaging 

the resonant capacitor voltage shown in Figs. 2-1 and 2-2. Again, note that the 

normalized magnitude of resonance is (JLl+JL2). For the ZVS-l converter in Fig. 2-1, 

the average resonant capacitor voltage is found to be: 

(VCr) = {Vg{l + M)[tl /2 + (t2 - tl )]+ J~~-II [Vgh2{l + M)sinrort]dt}/fs (2-15) 

Time t) is the time for the current (IL\+IL2) to charge the resonant capacitor Cr from 

voltage zero to the value of (V g+ V C): 
V +VCI VCR 

tl = Cr g = Cr -g = --L-..Q. = ---
hI +h2 h2 h2 2rrj,.JL2 

(2-16) 

where Eqs. (2-1), (2-2), (2-6), (2-8) and (2-9) have been applied. The time (t2-t) can be 

found from the phase plane in Fig. (2-3)(c): 
2rr- e 

t.,-11 =--
- 2rrfr 

e . -I( I+M) . -I( 1 ) =S1O =S1O -
hI +h2 h2 

(2-17) 

(2-18) 

Because the average dc voltage across L) and Lr is equal to zero, the average dc resonant 

capacitor voltage can be found from the loop V g-Cr-Lr-L), and is equal to V g. Hence, the 

normalized average resonant capacitor voltage <mCr> is equal to 1: 

(2-19) 

Applying Eqs. (2-10) and (2-16)-(2-19) to Eq. (2-15) yields the conversion ratio of the 

ZVS-l dual SEPIC converter: 
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M= 2lt -1 
F[_1_+ 2lt + h2 -sin-1(-1-)_~JI2 -1] 

2h2 h2 

(2-20) 

which gives the relationship between the normalized output voltage (M), the normalized 

output current (JL2), and the normalized frequency (F). The same analysis applied to the 

ZVS-1/2 dual SEPle converter gives the output plane equation: 

M = 2lt -1 
F[_1_+ 2lt + h2 +sin-1(-1-)+~JI2 -1] 

2h2 h2 

(2-21 ) 

Equations (2-20) and (2-21) can be used to plot the output plane for the ZVS-l and ZVS-

112 dual SEPle converter, as shown in Figs. 2-4 and 2-5. The boundary of curves shown 

in Figs. 2-4 and 2-5 is the boundary that h2 must be greater than one as can be seen from 

Eqs. (2-20) and (2-21). It is also translated as the boundary of the ZVS operation. 

Hence, the ZVS dual SEPle converter has a minimum normalized output current for 

which zero voltage switching can be obtained. This constraint must be considered when 

designing the ZVS dual SEPle converter over a given load range. 

The output plane of the ZVS-1 dual SEPle converter shows a better constant 

voltage source characteristics than that of the ZVS-112 dual SEPle converter in the sense 

that a smaller switching frequency variation is needed for constant voltage operation. 

Hence, the design of the filter to attenuate the switching frequency is also easier. In 

addition, the ZVS-1 converter is found to generate fewer switching frequency harmonics 

and parasitic interference than the ZVS-1I2 converter[ 1 ][2]. Therefore, the following 

discussion will concentrate on the ZVS-1 dual SEPle converter only. 

2.7 ZVS-l Resonant Component Design Procedure 

In this section, the selection of feasible converter operating specifications for a 

given design and the procedure for choosing the resonant component values for the ZVS-



36 

Ilt8
' 1,0,,6 

10 IIr 1'68 

0.92 0.7 0.56 

8 " , 
1'1

4 rr2 0.58 0.48 

0.6 0.5 0.38 
6 T·96 1'14 

oUI 0.76 0.62 0.52 0.44 0.4 0.32 
Z 

~f~" ____ I(_1 __ ~r_r ____ O'_14-+ __ 0_r __ O_'i_2+-___ 0'_r6 __ 0'r44 __ \_ 

0.5 1.5 2 

Fig. 2-4 The output plane of ZVS-I dual SEPIC converter(X: normalized output 

voltage m; Y: normalized output current JL2; Z: normalized frequency F). 

l 0.2 Z 0.15 

0.25 
lOt 

:~ k. ~ '0.35 

0~5~ 
4~~ 
yo.~ 
2~.55 __ 

I 
0.5 

0.1 

1.5 2 

Fig. 2-5 The output plane of ZVS-1I2 dual SEPIC converter(X: normalized output 

voltage m; Y: normalized output current JL2; Z: normalized frequency F). 



37 

1 operation are demonstrated. The necessary specification for the design procedure of the 

single output converter includes: 1) the input and output voltages, 2) the output current, 

and 3) the switching frequency. The design steps are shown in the following description: 

Step 1: From specification (1), the conversion ratio M of the converter is known. 

Step 2: From the ZVS-l output plane, select a desired normalized output current JL2. 

From specification (2) and Eq. (2-9), the value of the characteristic impedance, 

~ Lr I Cr ' is known. 

Step 3: As M and 1L2 are specified, F is found from the ZVS-l output plane equation 

(2-17). From specification (3) and Eq. (2-10), the value of the radial resonant 

frequency, ~ LrCr ,is known. 

Step 4: From steps 2 and 3, the resonant component values can be solved. 

To make a feasible design from these steps, the component voltage and current 

stresses of the design must be reasonable. As mentioned in section 2.3, from Eqs. (2-11) 

to (2-14), low values of M and 1L2 are necessary for low component peak stresses. In 

addition, as mentioned in the previous section, a boundary of 1L2 exists in the ZVS-l 

output plane, as shown in Fig. 2-4. In other words, the upper limit of the normalized 

output current is set by the possible switch transistor stresses, and the lower limit of JL2 is 

set by the boundary in the output plane or by the normal ZVS operation. Therefore, an 

appropriate nominal value of JL2 must be carefully specified in the design procedure. 

2.8 Design Extension to Multiple Output Converters 

The design procedure extension for multiple output ZVS-l converter as shown in 

Fig. 2-6, is iIlustrated in this section. For isolated converters, the normalized voltage M 

and current JL2 previously found can be considered to be on the primary side. For 

multiple output converters with output voltages Vo I and Vo2, the corresponding 

conversion ratio M I (M I = Vo I IV g) and M2 (M2 = Vo2/V g) are the product of the 
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transformer turns ratio (n I or n2) and the properly selected value M of the ZVS-l switch 

conversion ratio: 

(2-22) 

The values of n I and n2 can be found by specifying M I and M2 (i.e., the input voltage V g 

and multiple output voltages Vol and V02) and M (i.e., a proper value on the x axis of the 

ZVS-l output plane). 

For mUltiple output converter, for example a two-output converter, JL2 is the sum 

of the reflected (to the primary) normalized output currents Jo l and J02: 
J - J + J - nlIol + n2I02 

L2 - 0 I 02 - V gIRo V gIRo 

where 101 and 102 are the output currents. 

(2-23) 

The value of the normalized output current 1L2 of a multiple output converter 

again has the upper and the lower limit. For converters operating in a given load range, 

the lowest possible JL2 according to the minimum output load currents is chosen to be 

above the boundary of the ZVS-l output plane(JL2> 1), and the highest 1L2 according to 

the maximum output load currents will result in feasible component peak stresses. With 

the modified definition of M and JL2, the design of the resonant components of a 

multiple-output converter can proceed following the procedure shown in the previous 

section. 
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Chapter III. Integrated Magnetics Design 

3.1 Introduction 

The recent trend in power electronics is towards high power density converters. 

To reach the goal, two things must be addressed. First, the efficiency of the converter 

must be improved. The other is to reduce the total volume of the converter. The total 

volume of a converter can be greatly reduced by magnetic integration. For example, a 

multiple-output dual SEPIC(zeta) converter is shown in Fig. 3-1(a). The multiple-output 

transformer and two output filter inductors can be integrated into an EE core, as shown in 

Fig.3-1(b). This integrated magnetics structure achieves high power density because it 

can reduce the number of cores used in the converter. There is a major by-product from 

magnetics integration. By magnetics integration, all the coupled-inductor current ripple 

can be steered to the transformer primary winding where ac current exists naturally. The 

current ripple of the ripple-sensitive inductor windings can be ideally eliminated, and the 

converter performance is improved. Magnetic integration is independent of the converter 

topology, control, and operation mode. The only requirement to do so is that the voltage 

waveforms of the windings being integrated must be proportional[3-7]. 

An existing design procedure for an integrated magnetic structure composed of 

coupled inductors and an isolation transformer, is given in [5-6]. It is a design procedure 

based on coupled inductor design[4]. Several disadvantages are found in the existing 

integrated magnetics design procedure(Fig. 3-2). The existing design procedure includes 

ambiguity and contradiction in core selection. It provides the core size, the air gap, and 

the numbers of turns for the integrated magnetics structure, but a follow-up wire gauge 

design is required to fit the wires into the core. If the concern is low copper power loss, 

wire with a large cross-sectional area is used, which may result in a total winding area 
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larger than the window area of the core. If a wire with small cross-sectional area is 

selected, too much copper loss may result. Hence, the copper power loss of this 

integrated magnetics component is not known until the design is done. This design, 

therefore, is not optimal nor efficient. 

In this chapter, an improved integrated magnetics design procedure by a 

geometrical-core constant approach is developed. It has several advantages over the 

existing design procedure. The modified procedure directly calculates the core size, air 

gap, wire gauges, and numbers of the turns for a integrated magnetics structure, with no 

iterations required. This design procedure also accepts the copper power loss as an input 

of the design. There is another major advantage of this design procedure which can not 

be found in the existing design procedure. The new procedure is especially useful in 

multiple output applications. When a multiple-output transformer is integrated with 

several coupled inductors, the geometrical core constant approach predicts the extra space 

needed to accommodate those extra secondaries. A lot of readjustment work to fit the 

wire in the chosen core window area can be saved because the copper power loss already 

been specified and the correct wire gauges chosen. 

In this chapter, a brief review of the current ripple steering function of a coupled 

inductor is given. The existing coupled inductor and integrated magnetics design 

procedures are evaluated. The geometrical core constant integrated magnetics design 

procedure is developed. A design example using the geometrical core constant design 

procedure is derived. Extension of the design procedure for a multiple-output converter 

is given. Degeneration of the design procedure to an coupled inductor design alternative 

is also presented. 
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3.2 Review of the Coupled Inductor and the Existing Integrated Magnetics Design 

Coupled inductors have been widely used to incorporate inductors with 

proportional voltage waveforms into a single core. The number of cores used in the 

circuit is reduced by coupling several inductors in one core, hence the volume, weight, 

and cost of the converter are reduced. Additionally, coupled inductors enable us to steer 

inductor current ripple from the ripple-sensitive inductor windings to the less ripple

sensitive windings. The current ripple of the inductors with ripple removed can be 

ideally zero. The only requirement to couple inductors is that all the windings being 

coupled must have proportional voltage waveforms. An existing integrated magnetics 

design procedure[5-6] that integrates a one-to-one transformer and two coupled inductors 

is extended from the coupled inductor design[4]. In the following discussion, the current-

steering operation of a coupled inductor is briefly reviewed. The design procedures of 

the coupled inductor and the integrated magnetics are evaluated. 

The function of the inductor current ripple steering of the coupled inductor is 

illustrated as fellows[4]. Figure 3-3 shows the equivalent electrical model of the coupled 

inductor consists of two inductor windings. Inductor LM is the magnetizing inductance 

of the coupled inductor assembly. Inductors Lp and Ls are the leakage inductances of the 

two windings of the coupled inductor. 

Assume the voltage waveforms of both windings of the coupled inductor are the 

same: 

(3-1 ) 

The voltage across the transformer secondary Vs is equal to: 
LM 

Vs = 11 VLI 
LM+Lp 

(3-2) 

If the voltage V s happens to be equal to the voltage VL2, there is no voltage across the 

leakage inductance Ls at the secondary. Hence there is no current ripple in the 
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Fig. 3-3 The equivalent electrical model of the coupled inductor. 
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secondary. This can be achieved by adjusting the turns ratio n to compensate VLI'S 

voltage loss from the inductance voltage divider formed by the leakage and magnetizing 

inductances at the primary, as shown in Eq. (3-2). Hence, equation (3-2) is called the 

zero current ripple condition of the coupled inductor from the equivalent electrical model. 

By coupling inductors, the current ripple of the interested inductor can be ideally reduced 

to zero. 

The design procedure of the coupled inductor or the integrated magnetics in [4-6] 

uses the uniform-spaced EE or EI cores. By this design procedure, current ripple of the 

outer leg inductors in Fig. 3-1 (b), for example, is steered to the center leg winding. The 

center leg winding represents an inductor for the coupled inductor design, or a 

transformer for the integrated magnetics design. 

Some disadvantages are found in the coupled inductor design procedure given in 

[4](Fig. 3-4). First, there is no criteria in selecting the appropriate EE or EI cores for the 

design. With an arbitrarily chosen core and the converter specification, the number of 

turns of each winding and the air gap of the integrated magnetics are solved from design 

equation. A follow-up design process, however, is still needed to determine the wire 

gauges of the windings to fit into the window area of this arbitrarily chosen core. If 

avoidance of later rewinding is the primary concern, small gauge wires are used, which 

results in more copper power loss of the integrated magnetics component. If less copper 

power loss of this component is the primary concern, larger gauge wires must be used, 

which increases the probability of rewinding the core. Therefore, the follow-up wire 

gauge selection design is not optimized, and the copper power dissipation limit can not be 

specified in this coupled inductor design procedure. 

The existing integrated magnetics design procedure given in [5-6] is based on the 

coupled inductor design procedure in [4]. The disadvantages found in the coupled 

inductor design procedure automatically extends to the existing integrated magnetics 
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design procedure(Fig. 3-2). Although at this point there are criteria to select the core for 

the integrated magnetics design, an ambiguity and a contradiction are found in the core 

selection process. An ambiguous situation occurs in step 1 of the existing integrated 

magnetics design procedure[5]. Whether a small or a large leakage parameter should be 

used in the design depends on how the size of the chosen core being interpreted. A 

contradiction follows directly after the ambiguity. In step 1 of the existing design 

procedure[5], a small core results in a small leakage parameter. In step 2, the small 

leakage parameter results in small critical number of turns and small nominal center leg 

turns. The small nominal center leg turns, however, results in larger core cross section 

and hence larger core. The chosen leakage parameter intended to use a small core for the 

design leads the designer to choose a larger core, and vice versa. 

3.3 Integrated Magnetics Design by Geometrical Core Constant Approach 

Integrated magnetics has several merits over the otherwise separate inductors and 

transformers as mentioned in the Introduction section. In addition, the integrated 

magnetics design is independent of the converter topology, the mode or the type of the 

control(e.g., voltage or current mode; duty cycle or variable switching frequency control), 

or the type of the converter operation(e.g., continuous or discontinuous conduction 

mode)[4-7]. That makes the integrated magnetics a very attractive component in a 

converter design which includes a transformer and/or several inductors with proportional 

voltage waveforms. In this section, an improved design procedure is developed, which 

accepts the power dissipation limit as an input and generates the desired design outputs 

without requiring iterations(Fig. 3-5). 

The improved integrated magnetics design procedure adopts the geometrical core 

constant approach. It provides the answers for the disadvantages found in the existing 

design procedure. Some design parameters used in the design procedure are defined first 
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in Table 3-1. Take the most commonly encountered magnetics integration case as a 

design example, which is the integration of a two-output transformer and two coupled 

inductors as shown in Fig. 3-1 (b). In this case, the winding index number j in Table 3-1 

has two possible values and can be either 1 or 2. With this improved integrated 

magnetics design, both current ripple of the inductors on the outer legs will be steered to 

the transformer primary winding on the center leg. The characteristic leakage parameter 

I in Table 3-1 is nearly a constant for a certain core. It does not change a lot under 

different winding configurations and air gaps. The method to determine the value and the 

table of the typical value of the characteristic leakage parameter I can be found in [4]. 

3.3.1 New Geometrical Core Constant Integrated Magnetics Design Procedure 

Step 1. Find the virtual transformer turns ratios nRj and nSRj of the coupled inductors 

and transformer secondaries such that all the windings being integrated are 

subjected to the same voltage waveform, and the reflected number of turns of all 

coupled inductors on the outer legs is assumed N). In Fig. 3-6, for example, 

virtually reflect all winding voltages to the transformer primary. The virtual 

transformer turns ratio nSRj of transformer secondaries is always equal to the 

real transformer turns ratio nj : 

(3-3) 

and the virtual transformer turns ratios nRj of the coupled inductors is the ratio 

of the inductor voltage and the transformer primary voltage: 

IlRj = VLj I Vp 

Step 2. Zero coupled inductor current ripple condition: 
L 

N,=2N-
L-L, 

Step 3. DC core saturation condition: 

(3-4) 

(3-5) 
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I measured characteristic leakage parameter constant of the core 

L, leakage inductance associated with the center leg leakage flux 

L specified center leg transformer pJimary self inductance 

nRj the jth virtual transformer turns ratio of jth coupled inductor 

nSRj the jth virtual transformer turns ratio of jth secondary 

ip the ac current of the transformer primary 

iSjO the ac current of the jth secondary before virtual reflection 

iSj the ac current of the jth secondary after virtual reflection 

iiO the jth coupled inductor ac current before virtual reflection 

ij the jth coupled inductor ac current after virtual reflection 

nj the jth transformer turns ratio 

N the number of turns of the transformer primary on the center leg 

NSi the number of turns of the transformer jth secondary on the center leg 

NI the number of turns of the coupled inductors on the outer legs after virtual 

reflection 

AWp the wire cross area of the transformer primary 

AWSj the wire cross area of the jth transformer secondary 

AWl the wire cross area of the jth coupled inductor 

Bm maximum flux density of the core 

Ilo permeability of the free space 

S cross-section area of the core center leg 

x air gap length of all three legs 

Ku the fiII factor of the core 

W the window area of the core 

MLT Mean Length per Turn of the core 

Table 3- I Definition of design parameters. 
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_ L(3Irleg -I Rleg) _ LIe 
N - - ,IUeg > IRleg 

BmS BmS 
(3-6) 

Ie = 31 L/eg -I Rleg (3-7) 

where Ie is the effective dc saturation current of the core, IUeg is the sum of the 

dc currents of the inductors on the left leg, and IRleg is the sum of the dc 

currents of the inductors on the right leg. In Fig. 3-1(b), for example, JUeg is 

equal to I I, and IRleg is equal to 12. 

Step 4. Definition of the center leg transformer primary self inductance L: 

x = ~ --.!::L I 
2 L-LI 

Step 5. Definition of the center leg leakage inductanceLI : ., 
L 

_ 'tio N -S 
I-

I 

(3-8) 

(3-9) 

Step 6. A potential blow-up problem exists in Eqs. (3-5) and (3-8) when Land L, are 

equal. In this design, a similar optimized trade-off between the copper power 

loss and the chosen core size made in the existing design[5] is specified: 

x = 0.1 x I 

, which with Eq. (3-8) is equivalent to 
1 

LI =-L 
6 

Hence, the blow-up problem will never happen. 

Step 7. Choose equal RMS current density on all the windings being integrated. 

i lO.RMS i20.RMS iP.RMS iSIO.RMS iS20.RMS ----'''''--- = = --= = 
AlVl AW2 A lVP AWSI 

Step 8. Fit wires into the core window area: 

KIIWA = IlRJNIA wl +IlR2N IAw2 + NAwp + IlINAwSI +1l2NAwS2 

(3-10) 

(3-11 ) 

(3-12) 

(3-13) 

Step 9. Specify the copper power dissipation limit Pcu of the designed component: 

P 
If IlRJ N I(MLT) Ii IlR2 N I(MLT).2 N(MLT) 

cU=-'l-P +-2-P +lpRMSP---'---'-
IlRI AWl IlR2 AW2 . Awp 
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. ., Il IN(MLT).2 "2N(MLT) 
+ISI,RMSP A + 'S2.RMSP A 

WSI WS2 
(3-14) 

Step 10. Solve for the geometric core constant Kg from steps 2-9 where Kg is defined as: 

K = WAS
2 = P[L/p1eK ]2 (3-15) 

g MLT 2KI/PcI/B,7, 

For instance, the expression in Eq. (3-15) is the Kg constant of the converter in 

Fig. 3-l(a), later shown as a design example of the improved integrated 

magnetics design procedure, where K is a characteristic area constant of a 

converter. With given values of the design parameters in Eq. (3-15) from 

specification, the value of the Kg constant can be calculated. 

Step 11. Choose an EE(EC) or EI core with the closest value of Kg to the number 

obtained in previous step. With the geometric parameter values of the chosen 

core, solve for the unknowns: N, NS), NS2, N), x, Awp, AwS), AWS2, AWl, and 

AW2 of the design. Reflect the number of turns N I back through the virtual 

transformer turns ratios to obtain the actual numbers of turns of the inductor 

windings. 

3.3.2 Merits of the Geometrical Core Constant Integrated Magnetics Design 

Procedure 

Several merits au; found in this integrated magnetics design procedure by a 

geometrical core constant approach. It is much more convenient than the existing design 

procedure. Only one iteration is enough to obtain all the information needed for the 

magnetic integrated structure, which includes the type of the core, the uniform air gap, 

and the numbers of the turns and the wire gauges of each winding. This design procedure 

is also capable of specifying the copper dissipation limit of the magnetics component at 

the time of the design. In addition, it has none of the ambiguous and contradictory steps 
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found in the existing design procedure. The major advantage is that, when a multiple

output transformer is integrated with several coupled inductors, the core geometrical 

constant design approach has considered the extra space needed to accommodate those 

extra secondaries. A lot of readjustment work to fit the chosen core window area and the 

wire gauges can be saved with the copper power loss already been specified. 

3.4 Geometrical Core Constant Derivation and Design Variations 

In this section, a demonstration of the geometrical core constant integrated 

magnetics design procedure is shown to integrate a transformer and two output inductors 

of a two-output dual SEPle converter as shown in Fig. 3-7 .. The design equation of the 

Kg constant is derived first. Variation of the design procedure can be applied to 

converters more than two outputs. It is also possible that this design procedure 

degenerates into a coupled inductor design procedure. 

3.4.1 Derivation of the geometrical core constant Kg 

Three quantities or relationship must be acquired in order to derive the 

geometrical core constant. They are: J) the virtual transformer turns ratios, 2) the RMS 

currents of windings, and 3) the current relationship between windings. With this 

information, a closed-form expression of the geometrical core constant can be derived 

following the design steps in previous section. 

VirTual transformer fllms ratios: 

For a non-isolated dual SEPle converter as shown in Fig. 3-8, the voltages across 

the two inductors when the switch is on are both equal to Vin, and the voltages across the 

two inductors when the switch is off are both equal to Vo. Hence, for the isolated 

multiple-output ZVS-J dual SEPle converter shown in Fig. 3-7, all the windings have 
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Fig. 3-7 The multiple-output transformer and two output inductors in a dual SEPIC 

converter are integrated into an integrated magnetics component. 

r 
V· -m-

Fig. 3-8 Non-isolated dual SEPIC converter. 
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proportional voltage waveforms. Moreover, the virtual transformer turns ratios nRj and 

nSRj happen to be the same as the actual transformer turns ratios nj in this converter. The 

actual currents and currents after virtual reflection of the inductors and transformer 

secondaries are related by these virtual transformer ratios: 

ij = IlRijo = nijo 

iSj = nRisjo = nisjo 

The converter conversion ratio relates to the virtual transformer turns ratio by: 
V. 

Mj = _1 = 11lslI.11j 

\,;" 

(3-16) 

(3-17) 

(3-18) 

where Mj is the conversion ratio of jth output, Vj is the jth output voltage, and msw is the 

switch conversion ratio which depends on the type of switch used in the converter. 

RMS currents of windings: 

The RMS currents of the inductor currents il and i2 are always equal to their dc 

values 11 and 12 since their current ripple has been steered to the transformer primary. 

When calculating the transformer RMS currents, there exists many possible cases. We 

can relate the transformer RMS currents of any converter to their peak amplitudes. Here, 

only the PWM and the ZVS converters are addressed. The other converters can apply the 

similar method used for the PWM and the ZVS converters. The ideal transformer current 

waveforms of the PWM and the ZVS converters are shown in Fig. 3-9 where the small 

current ripple when the switch is on has been ignored. (The circuit operation of the dual 

SEPle converters with PWM and ZVS switches will not be reviewed in this paper. and 

can be found in [8-13]). Note that the transformer primary and secondary currents have 

the same waveform with different amplitUdes Ip, IS 1, and IS2. The transformer RMS 

currents of the PWM converter can be directly calculated: 

PWM RMS current of ip(iSl, iS2) ~Ip(-JdIsl'-JdIs2) (3-19) 
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Fig. 3-9 The transformer currents of the PWM and ZVS converters. 
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To facilitate the calculation of the transformer RMS currents of the ZVS converters, the 

primary and the reflected secondary current waveforms in Fig. 3-9 can be approximated 

as sinusoidal waveforms with amplitudes Ip, lSI and IS2. The transformer RMS currents 

of the ZVS converters are approximately equal to: 

ZVS RMS current of ip(is 1, iS2) ':I ~ I p (~ lSI' ~ Is2 ) (3-20) 

For the ZVS-l converter in Fig. 3-7, the equal RMS current density on each winding in 

Step 7, therefore, translates into the following equation: 
I) _ 12 _ Ip _ IS) _ IS2 

ll)AWI - 1l2Aw2 - {2Awp - {2nlAwsl - {2n2Aws2 
(3-21 ) 

Current relationship between windings: 

In order to obtain a simplified close-form expression for the geometrical core 

constant Kg, we need to know the current relationship between windings. For the ZVS- I 

converter in Fig. 3-7, the amplitudes of the approximated reflected sinusoidal transformer 

secondary currents in Fig. 3-9, can be found from the interval when the switch is on: 

and (3-22) 

which is the relationship between inductor currents and transformer secondary currents. 

These reflected secondary quantities establish a 1: 1: 1 transformer ratio 

relationship with the primary quantities. For an ideal multiple-output transformer with 

1: I: I turns ratio, the primary current relates to the secondary currents by: 

(3-23) 

which relates transformer primary current to inductor and transformer secondary currents. 

The derivation of the design equations (3-5)-(3-11) can be found in [4], and will 

not be explained here. The derivation of the geometrical core constant Kg begins with 

combining Eqs. (3-21) and (3-13): 

KI/W
A 

= Awp[NI {2(l) + 12) + NO + lSI + IS2)] 
Ip Ip 

(3-24) 
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With Eqs. (3-5) and (3-22), Eq. (3-24) becomes: 
II + h r;:; L 

KIIWA = NAwp[1 + (--)(2'\'2-- + 1)] = NAwpK 
Ip L-L, 

(3-25) 

where K is a characteristic transformer primary window area constant. The constant K 

varies with the current relationship of the coupled transformer primary, secondary, and 

inductor windings. Hence, the constant K is a function of the converter topology and the 

type of the switch. With Eqs. (3-11) and (3-23), the value of constant K for the dual 

SEPle converter in Fig. 3-7 is found to be: 

K = 1 + (II + 12 )(2-fi_L_+ 1) = 2 + 2-fi_L- = 2 + 2-fi x 1.2 (3-26) 
~ L-~ L-~ 

Equation (3-14) can be simplified using Eqs. (3-5) and (3-22)-(3-23): 

Pcll =P(MLT){2N_L _[Ip(l1 +I2)]+N[I~+Ip(l1 +I2)]} (3-27) 
L - L, -fiAwp 2Awp , 

Pcll = p(MLT)Nlp C-L--fi + 1) (3-28) 
Awp L-L, 

Replacing the quantity Awp by Eq. (3-25), with Eq. (3-26), Eq. (3-28) becomes: 

p = p(MLT)I~N2 K(1 + -fi_L_) = P(MLT)I~K2 N 2 (3-29) 
CII KIIWA L - L, 2 KII WA 

With Eq. (3-6), Equation (3-29) becomes: 

p = p(MLT)I~K2 ( LIe )2 (3-30) 
CII 2K/IWA BillS 

The geometric core constant Kg is found from Eq. (3-30): 

K = WAS
2 = P[LIpleKt (3-31) 

g MLT 2KII PcllB,7, 

as shown in Eq. (3-15). 
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3.4.2 Extension of the Design Procedure for Converters with More Than Two 

Outputs 

This design procedure can be extended to integrate a transformer and output 

inductors of the converter in Fig. 3-7 with more than two outputs. For example, the 

design procedure is applied to integrate a four-output transformer and four output 

inductors of the converter in Fig. 3-7 with four outputs, as shown in Fig. 3-10. No matter 

how many output inductor windings are put on the outer legs, the reflected number of the 

turns of the inductor windings on the outer legs is always N). Normally, four output 

inductors are distributed evenly on the two outer legs, as shown in Fig. 3-10. A minor 

change of the design procedure occurs in Step 3: 

I Lleg = I) + 12 

Ie = 31 Lleg - I Rleg (3-32) 

The optimum design results when Ie is the minimum from all possible arrangement of the 

four inductor dc currents, which results in the minimum of the number of turns N. 

3.4.3 Degeneration of the Design Procedure for Coupled Inductor Design 

Integrated magnetics design procedure degenerates to a coupled inductor design 

procedure when the transformer on the center leg is replaced by an inductor. In this case, 

all the outer-leg inductor current ripple is steered to the center-leg inductor. The design 

equations involving transformer are replaced by the center-leg inductor. One minor 

change is made in Step 3 for the coupled inductor design. For the coupled inductor 

design, Eq. (3-6) is modified as[6]: 
_ L(I Cleg + 31 Lleg - I Rleg) _ LIt' 

N - - --,ILle~ > I Rleg BillS BillS c 

(3-33) 
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Fig. 3-10 Integrated magnetic structure incorporates a four-output transformer and 

four coupled inductors in an EE core. 
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Fig. 3-11 (a) Reluctance model of the coupled inductors. (b) Reluctance model of an 

integrated magnetics 
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where ICleg is the dc current of the center-leg inductor. Notice that there is one more dc 

current source Icleg to cause the core saturation in the coupled inductor design. In the 

integrated magnetics design, ideally the flux generated from the transformer primary 

current is canceled by the flux generated from the transformer secondary currents[4], as 

shown in Fig. 3-11. 

The degenerated integrated magnetics design procedure can be an alternative to 

the existing coupled inductor design. In this case, the degenerated design procedure 

solves the inconvenience of the existing coupled inductor design discussed in section 3.2. 
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Chapter IV. Packaging Design and Steady-State Experimental Results 

4.1 Introduction 

Several packaging design considerations to help achieve low output ripple and 

noise converter are addressed here. Circuit packaging optimization is necessary and is 

found to be effective in eliminating spurious parasitic interference generated by the 

converter. The circuit packaging optimization applied in the design includes: 

I) an interior ground plane in the circuit card 

2) reducing parasitics by optimal layout 

3) a low-inductance high-capacitance load cable 

4) a low inductance output load resistance 

5) high performance multi-layer ceramic capacitances in the output filter 

The ground plane between the top and bottom board layers is the first step in 

minimizing the electrical field interaction with the environment. With only one 

connection between the ground plane and circuit ground, circulating currents can also be 

avoided. The geometry of the trace on the circuit board can be intelligently designed so 

that the impedance of the trace can be either more-inductive or more-capacitive 

depending on how the circuit requires the trace to be. Following this trace impedance 

design guide line, a special converter output load and a cable connecting the converter 

and the output load are designed for experimental measurement. The effect of the 

unintentional parasitic elements to a circuit component itself is illustrated, which is the 

reason that high performance multi-layer ceramic capacitors are used in the output filter. 

The designs of the prototype resonant components and integrated magnetics according to 

the specification of the converter are demonstrated. Steady-state experimental results are 

shown. 
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4.2 Packaging Optimization of the Trace on the Circuit Board 

For a single turn, the inductance of a trace on the circuit board as shown in Fig. 4-

1 (a) is approximately: 

L= ~= l.I.oAL 
~ I 

(4-1 ) 

Since the H field decays rapidly outside the conductor, consequently, trace inductance 

can be reduced significantly by decreasing the area of the loop AL or by increasing the 

circumference I of the inductor, as shown for the rectangular trace in Fig. 4-1 (b), which 

has an inductance given by: 

L = ~ = l.I.o/)d 
~ 212 

(4-2) 

where I) is the trace length, 12 is the trace width, and the quantity d can be either the 

distance between two traces on the same surface of the circuit board or the board 

thickness d between the top and the bottom circuit layers. The loop area AL can be 

reduced by shortening the trace length I) or reducing the magnitude of d. For the 

rectangular trace shown in Fig. 4-1 (b), it also has parasitic capacitance: 

C - EoAc _ EO/)/2 ------
d d 

Therefore, the resonant frequency 00 0 of the trace parasitics is: 
I I 

ro = --= --::::==-
o .-J LC ~l.I.oEoll 

and the characteristic impedance Ro of the trace parasitics is: 

R = rr = 11.1.0 :{ 
o ~c 2Eo 12 

(4-3) 

(4-4) 

(4-5) 

For the high switching frequency converter application, the resonant frequency 

00 0 must be high enough to avoid the parasitic resonance. From Eq. (4-4), the trace length 

I) must be small. Alternatively, when the end of the trace is connected with a purely 

resistive load, the Q at the resonant frequency 000 is determined by the impedance ratio of 

Ro and the load resistance. Proper impedance match(by adjustment of d / 12 ) between the 
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Fig. 4-1 (a) High inductance, low capacitance traces. (b) Low inductance, High 

capacitance traces. (c) Two-pole filter. 

Fig. 4-2 Load cable configuration. 
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Fig.4-3 Output load configuration. 
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two impedances results in appropriate signal ratio at the load without too much parasitic 

resonance. Practically, the end of the trace is usually connected with non-purely-resistive 

impedance. Different packaging consideration must be considered. From Eqs. (4-2) and 

(4-3), by shortening the trace length II' both parasitics are reduced. Yet, the trace length 

(II) and the distance between traces (d) are usually determined by the whole circuit 

layout, and the board thickness (d) is fixed. The steps taken to decrease the parasitic 

inductance by increasing the trace width 12, on the contrary, increase the parasitic 

capacitance. The ratio d / 12 determines whether the inductance or capacitance is the 

primary parasitic element for the trace. When the ratio is large, the inductance is large 

and capacitance is small. When the ratio d / 12 is small, the inductance is small and the 

capacitance is large. Hence a guideline in packaging is to maximize parasitic inductance 

when the trace impedance adds in series with an intentional inductor, and to maximize 

capacitance when the trace impedance adds in parallel with an intentional capacitor. 

Using a simple LC filter in Fig. 4-l(c) as an example, the trace in loop 1 should be more 

inductive, whereas the trace in loop 2 should be more capacitive. Note that it is 

impossible to eliminate both parasitic elements entirely, the goal is to add one parasitic 

element to an intentional circuit element, and to reduce the other to the point that the 

resonant frequency of the oscillations between it and other circuit elements is so high (or 

so low) that the resonance is unlikely to be excited by normal operation of the converter. 

4.3 Packaging Design Consideration of the Cable and the Output Load 

For the purpose of practical use or experimental measurement, the packaging 

design must include the cable and the output load. Following the discussion in previous 

section, special load and load cable are designed to avoid the common high-inductance 

thin wire connection, and hence to reduce the parasitic inductance causing the output 

interference. In keeping with the guidelines in previous section, the parasitic capacitance 
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of the cable is maximized because it adds in parallel with the output filter capacitor. The 

load cable with ~at copper connection of small d / 12 configuration has the desired 

capacitive impedance as shown in Fig.4-2. The output load itself, if other than purely 

resistive, should be a non-inductive resistive, otherwise the load can be a source of 

undesired oscillation. The actual low-inductance output load which consists of several 

resistors in parallel, is implemented with flat copper plane of small d / 12 ratio connecting 

those resistors, as shown in Fig. 4-3. 

4.4 Effed of Unintentional Parasitics in the Circuit Component Itself 

As mentioned in section 1.4, parasitic elements also play a role in that they 

prevent the intentional circuit elements from behaving in an ideal manner. As shown in 

Fig. 4-4(b), unintentional parasitics exists in any nonideal circuit components. A typical 

transfer function H(s) shown in Fig. 4-4(c) of a non ideal two-element LC filter attenuates 

the signal with a slope of 40 dB only over a finite range of frequencies. Actually, the 

filter does not provide a lot of attenuation of the signals at very high frequencies at all. 

This certainly hurts the performance of the converter in achieving low output ripple and 

noise. The parasitics of the filter elements relates to the physical construction of the filter 

elements and the circuit layout. Besides the care and attention paid in the circuit layout, 

the choice of better components can help to cure this problem. Hence, for optimum 

ripple and noise rejection, high quality capacitors, such as multi-layer ceramic capacitors, 

must be used. Multi-layer ceramic capacitors are now available which withstand large 

ripple currents, have low equivalent series resistance (ESR), and have high enough 

capacitance to obtain low cut-off frequencies in two-pole filters. In the design, the multi

layer ceramic filter capacitor A VX 44 J.1F is used on each output. It lowers the ESR of 

the capacitance, and hence provides better filtering at high frequencies as well as 

providing some hold up capability. 
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4.5 Prototype Design and Experimental Result 

In the following discussion, the specification of the prototype is given. The 

prototype designs including the design of the ZVS-l switch resonant component and the 

design of the integrated magnetics, are demonstrated. The experimental results are 

shown. 

4.5.1 Converter Specification 

1) The input voltage is 36V. 2) The output voltages are SV and lSV. 

3) The SV output current is 2.4A, and the lSV output current is 2A. 

4) The transformer primary self inductance is specified as 90IlH. 

S) The maximum flux density Bm is O.3T. 6) The core window area fill factor is O.S. 

7) The copper power dissipation limit is specified as O.3W. 

4.5.2 ZVS-l Resonant Component Design 

The design of the ZVS-l resonant components follows the procedure in sections 

2.S and 2.6. The first step is to determine the switch conversion ratio M on the primary 

side. As shown in the ZVS-l output plane in Fig. 2-4, the lower the value of M, the 

higher the normalized frequency, and hence the lower the resonant frequency. Lower 

resonant frequency means larger resonant components have to be used in the converter, 

which is undesired. The value of M can not be too large, either. As shown in Eqs. (2-8) 

and (2-9) , the higher the value of M, the higher the switch stresses. The value of M 

equals 0.4 is chosen in this design. The transformer turns ratios are: nl=0.3S, n2=1. 

Second, an appropriate value of JL2 is selected. In the design, the minimum value 

of JL2 is one, which corresponds to the minimum output current 0.6A from both outputs. 

The nominal value JL2 of 3.4 is chosen corresponding to the two nominal output currents 

2.4A and 2A for the SV and lSV outputs. The maximum value of JL2 corresponding to 
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the maximum currents from two outputs, is 5.8. The maximum value of 1L2 sets the 

switch stresses. From Eqs. (2-8) and (2-9), the switch stresses are 340V and 6.9A. In the 

prototype, the IRF 740 with the proper ratings, VDss=400V, ID=lOA, is used as the 

MOSFET switch. With the chosen values of M and 1L2, and the converter specification, 

the resonant inductance Lr is solved from the design procedure to be 48 J1.H, and the 

resonant capacitance Cr is 0.027 J1.F. 

4.5.3 Integrated Magnetics Design 

The integrated magnetics design follows the design procedure in Chapter III. For 

the two-output ZVS-l dual SEPIC converter, the transformer turns ratios, which in this 

converter is also the virtual transformer turns ratios, are found in previous resonant 

component design: nl=0.35 and n2=1. 

From Eq. (3-16), the reflected dc inductor currents are: 

I) = 0.35 x 2.4A = 0.84A 

I~ = 1 x 2A = 2A. 

With the given specification, the geometric core constant Kg is found to be 0.323cm5. 

The core with the closest number of Kg of the value 0.374cm5 is EC-41. From Eq. (30), 

the equivalent transformer primary inductance when Kg equals 0.374cm5 is 97J1.H. 

Notice that the primary inductance needs to be large for the dual SEPIC topology to 

function properly. The primary inductance must be large to store enough energy when 

the switch is closed. The energy is later transferred by charging the internal capacitor C 1 

when the switch is off. 

With the physical dimensions of EC-41, the design unknowns now can be solved 

from the equations in the design procedure: 

1) The number of turns of the transformer primary N: 14, A WG # 18. 

2) The number of turns of the transformer 5V secondary NSI: 5, AWG #18. 
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3) The number of turns of the transformer 15V secondary NS2: 14, AWG #20. 

4) The number of the turns of the inductors after virtual reflection N 1: 34. 

5) The actual number of turns of the 5V coupled inductor: 12, AWG #18. 

6) The actual number of turns of the 15V coupled inductor: 35, AWG #18. 

7) The leakage parameter of the EC-41 core is found from [4]: 4.3 mm. 

8) The air gap of the EC-41 core: 0.43mm. 

4.5.4 Experimental Result 

The ZVS-I resonant component waveforms are shown in Fig. 4-5. Experimental 

transformer primary and secondary currents and two coupled inductor currents of the 

converter are shown in Fig. 4-6 (a) and (b) respectively. Both the output inductor current 

ripple have been successfully removed to the transformer primary. This integrated 

magnetics component designed by the geometrical core constant integrated magnetics 

design procedure has achieved less than 3% peak-to-peak current ripple on both coupled 

inductors with no adjustment of turns or gap or design iterations. As a comparison, to 

achieve the same performance done by integrated magnetics, three following separate 

magnetic components are required: a two-output transformer of pot core 3019(with 

110IlH magnetizing inductance), and two inductors of pot cores 3019 and 4229(with 

500llH and 1500 IlH). The total volume of three magnetic components is 30.44 cm3. 

The volume of EC-41 is 10.9 cm3. Considering the volume occupied by the windings on 

EC core, a factor for the width 4/3 and a factor for the length 48/41 are included, which 

results in 17.01 cm3. Hence, 45% of the original volume can be saved by the magnetics 

integration approach. 

-----_ ... __ ... -
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Chapter V. Small Signal Analysis of A DCIDC Converter with 

Coupled-Inductor 

5.1. Introduction 

The dual SEPIC converter with full-wave zero-voltage-switching(ZVS-I) and 

coupled-inductor shown in Fig. 5-1, has been selected for a very low output ripple and 

noise converter. In previous chapters, the steady state characteristics and design of the 

converter have been thoroughly studied. In actual operation, the converter does not stay in 

steady state operation at all times. There will be unavoidable transient variations at 

converter input and output ports. In order to understand how the converter responds to 

these transient changes, we need to derive for the converter a linearized small 

signal(transient) model around the converter steady state operating point. With this small 

signal model, the relevant transfer functions can be found and used to design an appropriate 

feedback loop around the converter to guarantee a stable converter system. In this chapter. 

the small signal characteristics of the dual SEPIC converter are investigated, and the small 

signal models of the converter are derived. 

The small signal modeling process of the converter in Fig. 5-1 has been divided 

into two modeling stages, as shown in Fig. 5-2. The first stage models the small signal 

characteristics of the plain converter topology. The second stage models the small signal 

effects introduced by the special device(Le., the coupled inductors) applied to the converter 

topology analyzed in the first stage. There are two good reasons to divide the modeling 

into two stages: 

1) By dividing into two stages, the small signal model of the whole converter system is 

easily obtained and understood. 
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2) By dividing into two stages, the distinct dynamics introduced by the different operation 

schemes (e.g., the PWM or the ZVS-l converter topology, and the coupled inductor) are 

easily observed by comparing the transfer function response of each stage. 

The first stage of the small signal analysis of the dual SEPIC converter is the 

analysis of the plain uncoupled-inductor dual SEPIC converter(with either a PWM switch, 

or a quasi-resonant ZVS or ZCS switch). The analysis of the uncoupled-inductor dual 

SEPIC converter is implemented by an extended circuit averaging method, which 

incorporates the features of a number of previous resonant switch modeling procedures [ 15-

19] with the circuit averaging approach[14] to yield a circuit-oriented way of deriving small 

signal models. The concept and the procedure of the extended circuit averaging method is 

illustrated. 

By this extended circuit averaging approach, an universal small signal model for a 

converter of a certain topology is first established. From this universal model, a DC(steady 

state) and a AC(transient) model of this converter topology can be easily acquired. A 

specific model(DC or AC) of this converter topology with a specific switch can be obtained 

later by replacing the respective switch conversion parameter and the variation of the switch 

conversion parameter into the universal model. 

In this chapter, the small signal model and the transfer functions of the dual SEPIC 

converter with a PWM switch or a ZVS-I switch are derived. The PWM and the ZVS-l 

dual SEPIC converters have the same four-pole transfer function expression except that the 

duty ratio control variable D in PWM formula is replaced with the switching frequency 

control variable 11 in the ZVS-l formula. There is interest to include the parasitic resistance 

of the internal inductor L) into the dual SEPIC converter AC model. The ZVS-l converter 

transfer function with this parasitic resistance of the internal inductor L) is derived. This 

parasitic resistance determines the location of the transfer function zeros either in the left 
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half plane (LHP) or in the right half plane (RHP). The inclusion of the parasitic resistance 

also leads to a possible transfer function simplification. 

The second stage small signal model of the coupled-inductor ZVS-I dual SEPle 

converter is obtained by replacing the two separate inductors in the ZVS-I small signal 

model derived in the first stage, with the ideal coupled inductor ac electrical model[20]. 

Because the actual inductor current is close to the average inductor current, it is possible to 

substitute the averaged and linearized ideal coupled inductor model into the ZVS-I 

converter small signal model[4]. Several models more accurate than the ideal models are 

also developed to account for the observed effects owing to the converter non

idealities(Fig. 5-2). Three coupled-inductor ZVS-I converter models with different 

converter nonidealities have been developed: 

I) the ideal model, which ignores the leakage inductances and the parasitic 

resistances of the coupled inductor; 

2) the ideal model with the parasitic resistances; and 

3) the ideal model with the leakage inductances and the parasitic resistances. 

The transfer functions of these three models are derived. The transfer functions of the ideal 

model have a two-pole response, because the coupled inductor in the ideal model couples 

both the two inductor states and the two capacitor states. The inclusion of the parasitic 

resistances into the ideal coupled inductor model decouples the two capacitor states. 

Hence, the transfer functions of the ideal model with the parasitic resistances have a three

pole response. The inclusion of both the parasitic resistances and the leakage inductances 

into the ideal coupled inductor model decouples the two capacitor states and introduces 

another inductor state. The transfer functions of the ideal model with the parasitic 

resistances and the leakage inductances have a four-pole response. 

The measured four-pole converter response matches the calculated transfer function 

response of the model with the parasitic resistances and the leakage inductances very well. 
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In the real converter design, large leakage inductances are introduced to obtain good DC 

zero current ripple operation of the coupled inductor. In addition, the parasitic resistances 

of the coupled inductor always exist. Therefore, in practice the converter must be 

characterized by the final four-pole model. The parasitic resistances of the coupled inductor 

in the coupled-inductor ZVS-l dual SEPIC converter small signal model are found to have 

the same effect as the parasitic resistance of the internal inductor LJ in the uncoupled

inductor ZVS-l dual SEPIC converter small signal model. They determine the location of 

the transfer function zeros either in the LHP or in the RHP. Moreover, the turns ratio and 

the leakage inductances of the coupled inductor also affect the small signal transfer function 

response. Hence, the converter DC and AC designs both depend on the turns ratio and the 

leakage inductances of the coupled inductor. 

5.2 AC Analysis of the Uncoupled-Inductor DC/DC Converters 

In this section, the concept of a circuit-oriented extended circuit averaging small 

signal analysis method is illustrated. With extended circuit averaging approach, an 

universal model of a converter topology is derived. A specific model for the converter 

topology with a specific switch is obtained by later replacing the respective switch 

conversion parameter and the variation of the switch conversion parameter into the 

universal model. For example, both the small signal analysis of the PWM and the ZVS-I 

dual SEPIC converter are analyzed by extended circuit averaging method. An universal 

model of the dual SEPIC topology is derived first. Once the averaged model of the switch 

is derived for a general switch conversion parameter (e.g., Jl for the quasi-resonant 

converters and D for the PWM converters), the universal converter model can be converted 

to a specific PWM or quasi-resonant dual SEPIC converter model by simply substituting 

the correct expression for the switch conversion parameter (Jl or D) and the variation of the 

switch conversion parameter (J.1 or J). This is similar to previous modeling procedures 
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for the PWM and the resonant switches[14-19], but combines the generality with good 

intuitive circuit insight. In the following discussion, the new concept is introduced and 

demonstrated first. The small signal model of the ZVS-l dual SEPIC converter is 

illustrated. The control-to-output transfer functions of the PWM and the ZVS-l dual 

SEPIC converter are derived. 

Figure 5-3 shows the small signal analysis concept and procedure of the extended 

circuit averaging method for any PWM and resonant switching converters. In Fig. 5-3(a), 

the active switch of the converter is denoted by S, and the catch diode DI is denoted by S. 

According to [18], the switch S forms a loop with the capacitors and the voltage sources. 

The switch S forms a cutset with the inductors and the current sources. The current ion of 

the dual SEPIC converter, which is defined as the currents through the active switch when 

the switch is on, is found to be: 

iOI/ = iLl + iL2 (5-1 ) 

which is denoted the "switch excitation current." The voltage Vorr of the dual SEPIC 

converter, which is defined as the voltage across the active switch when the switch is off, 

is found to be: 

V(~(r = l'g + vel (5-2) 

which is denoted the "switch excitation voltage." The switch Sand S can be replaced by a 

current source is and a voltage source VD respectively, which have exactly the same 

waveforms as the original converter, as shown in Fig. 5-3(b). By the extended state-space 

averaging method[16,18], the averaged current source <is> and the averaged voltage 

source <vD> are found to be: 

< is >= fli(1/I (5-3) 

< VD >= flv(~(f (5-4) 

as long as the modulation (perturbation) frequency of the signal variation is much lower 

than the converter switching frequency, as shown in Fig. 5-3(c). By perturbing all the 
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Fig. 5-3 The extended circuit averaging procedure. 
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converter signals in the averaged circuit model in Fig. 5-3(c), the perturbed converter 

circuit model is obtained in Fig. 5-3(d). Ignoring the higher order nonlinear terms from the 

product of two small signal terms in Fig. 5-3(d), the general linearized converter circuit 

model for any quasi-resonant and the PWM converters is obtained in Fig. 5-3(e), as long 

as the quasi-resonant and PWM switches store no energy in the switch[16]. Note that both 

the DC and AC models are contained in the same linear circuit model as in [14]. The 

dependent sources can be separated into two groups: 1) the dependent sources of ion and 

Voff, which are the same for all converters regardless of which switch is used, and 2) the 

dependent sources of A, which depend on the type of switch (e.g., zvs, PWM, ZCS, 

etc.) used in the converter. 

The steady-state DC model of the ZVS-l dual SEPIC converter can be derived from 

the linearized model in Fig. 5-3(e) by shorting the filter inductors LI and Lz, opening the 

filter capacitors CI and Cz, and neglecting the small signal terms, as shown in Fig. 5-4(a). 

In Fig. 5-4(a), the fact that the capacitor voltage Vel equals the output voltage Vo has 

already been used in chapter II[ 11]. By some circuit rearrangement of Fig. 5-4(a), the DC 

model of the ZVS-l dual SEPIC converter in Fig. 5-4(b) can be obtained. 

The ZVS-l dual SEPIC converter DC conversion ratio (M= Vo/V g) can be solved 

from Fig. 5-4: 

M=~)=~ 
Vg 1-110 

(5-5) 

So far the derivation and analysis has focused on the ZVS-l dual SEPIC converter. If the 

PWM dual SEPIC conve11er is to be analyzed, just replace the switching frequency control 

variable 11 by the duty ratio control variable D. An easy illustration can be done by 

replacing 11 with D in Eq. (5-5), and the conversion ratio of the PWM dual SEPIC 

converter is obtained as is already known. 
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In general, the variation of the switch conversion parameter can depend on the 

variations in both the switch excitation parameters and the control quantity. For example, 

the variation of the switch conversion parameter J.l of the quasi-resonant converters is equal 

to[16]: 

(5-6) 

Consequently, the single current source JOIlfJ. can be represented either by additional 

dependent current sources, or by a feedback arrangement, as shown in Fig. 5-5. A similar 

argument holds for the voltage source ~if.ffJ. as well. To make this general model 

applicable to a specific switching scheme, the correct expression for the switch conversion 

parameter variation fJ. for that scheme is simply inserted into Eq. (5-6) [16, 18]. 

The small signal AC model of the ZVS-l dual SEPIC converter can be derived from 

the linearized model in Fig. 5-3(e) by neglecting the large signal DC terms, as shown in 

Fig. 5-6. For the ZVS-l converter, the switching frequency control variable J.l can be 

approximated as[ 16]: 

J.l=I_/~ 
hi 

(5-7) 

where fs is the switching frequency and fo is the resonant frequency of the resonant 

inductor and capacitor in the resonant switch. Therefore, the variation of the switching 

frequency control variable J1 can be replaced by : 

(5-8) 

where is is the perturbation of the switching frequency, and kf is a constant relating to the 

type of the quasi-resonant switch used in the converter. For the ZVS-] quasi-resonant 

converter, the value of kr is found to be[ 16]: 

k - 1- J.lo ,---1m 
(5-9) 

where fso is the nominal switching frequency of the converter. 
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Fig. 5-6 The small signal model of the ZVS-I dual SEPle converter. 
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The state equations of the two inductor voltages and two capacitor currents can be 

found from the small signal model in Fig. 5-6. From the model in Fig. 5-6 (ignoring the 

resistance RI), the small signal voltage across the inductor LI is: 

A L diLl (V V. )k I- A A A 

VLl = ~1 dr = g + Cl IJS + floVg + lloVCl - VCl 

The small signal current flowing through the capacitor C2 is: 

~ dO C2 ~ i'C2 
IC2 = C2 dt = IL2 - R 

(5-10) 

(5-11) 

(5-12) 

(5-13 ) 

The transfer function then can be derived from these state equations. The control-to-output 

four-pole response transfer function without the parasitic resistance R J in Fig. 5-6 is 

shown in Eq. (5-14) . 

(5-14) 

Vg{l + M) 

Adc = flo 
(5-15) 

iIo = I-flo (5-16) 

The transfer functions of the ZVS-l and the PWM dual SEPIC converter are exactly 

the same, except that the switching frequency control variable flo for the ZVS-l converter 
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in Eq. (5-14) has to be replaced with the duty ratio control variable D for the PWM 

converter. The control-to-output transfer function with the parasitic resistance R) in Fig. 5-

6 is shown in Eq. (5-17). 

N(s) 
(5-17) 

(5-18) 

The magnitude and phase responses of Eqs. (5-14) and (5-17) with some given 

inductances and capacitances are shown in Figs. 5-7 and 5-8. 

The inclusion of the parasitic resistance R) into the small signal model has some 

important effect. First, it is possible to simplified the transfer function to the numerator 

N(s) (in Eq. (5-17» when the magnitude of the D(s) is much less than one. The magnitude 

of D(s) can be greatly reduced and made less than one by a certain amount of the damping 

resistance R) (Fig. 5-9). After the transfer function is approximated by the numerator N(s), 

the parasitic resistance R) provides the damping for the otherwise undamped pair of poles 

caused by L) and C)(Eq. (5-14». The inclusion of the parasitic resistance R) also makes it 

possible to move the zeros from the RHP(Eq. (5-14» to the LHP. With minimum value of 

resistance RI, the sign of the first order coefficient in the numerator of N(s) changes from 

negative to positive, hence less negative phase is contributed by the pair of zeros, as shown 

in Figs. 5-7 and 5-8. The amount of damping resistance can be reasonably implemented by 



..... 
III 
"C ...... 

c:n 
111 
:5 

CIl 
1/1 
111 
.c 
Do 

60 

40 

20 

0 

-20 

-40 

-60 

-80 
10 1 

0 

-90 

-180 

-270 

-360 

-450 

-540 
10 1 

'" 
~ 

Frequency (HZ) 

(a) 

\ , , 

Frequency (Hz) 

(b) 

"' I""" 

C1=26/lF 
C2=59/lF 
L 1=216/lH 
L2=108/lH 

C1=26/lF 
C2=59/lF 
L1=216/lH 
L2=108/lH 

Fig. 5-7 The control-to-output transfer function (a) Magnitude and (b) Phase 

responses of ZVS-I dual SEPle converter(R 1 =OQ). 
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varying the capacitance of CJ, as observed from Eq. (5-17). The effect with or without the 

parasitic resistance R I to the transfer function response is summarized in Table 5-1. 

5.3 AC Analysis of the Coupled-Inductor DCIDC Converters 

The small signal model of the coupled-inductor ZVS-l dual SEPIC converter 

consists of the model of the ZVS-l dual SEPIC converter obtained in Section 5.2 and the 

averaged electrical model of the coupled inductor[4]. Several models with different 

converter nonidealities included are developed. The transfer functions of the models are 

given. 

The small signal model of the coupled-inductor ZVS-l dual SEPle converter is 

obtained by combining the small signal model of the ZVS-l dual SEPIC converter derived 

in Section II and the averaged electrical model of the coupled inductor in Fig. 3-2. as 

shown in Fig. 5-10. Since ill and iL2 are essentially DC currents, the currents in the 

coupled inductor are nearly unchanged when averaged over the switching interval. Hence 

the coupled inductor model can simply be inserted into the previous derived small signal 

model [20]. Three models accounting for different converter nonidealities have been 

developed: 

1) the ideal model, which ignores the leakage inductances and the parasitic 

resistances of the coupled inductor; 

2) the ideal model with the parasitic resistances; and 

3) the ideal model with the leakage inductances and the parasitic resistances. 

The control-to-output transfer functions of the models can be solved from the state 

equations of the inductor voltages and capacitor currents as before. The control-to-output 

transfer function of the ideal model is: 
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Transfer Functions without RI withRI 

Caused from L2, C2 Caused from L2, C2 
First Pair of Poles Damped by R Damped by R 

Second Pair of Poles 
Caused from LI, C I Caused from LI, C I 
No damping Damped by RI 

(transfer function simplification) 

Pair of Zeros RHP Zeros RHP or LHP Zeros 
(-180 Degrees Phase) Depends on R I, C I, R, LI 

Table 5-1. Poles and zeros conditions of the ZVS-l dual SEPle converter. 



" 
(ILl + IL2 )kf h " VCI 

+ 
" 

JloiLi " R} . 
ILl C} 

" Lp JloiL2 ~TI 11 : } 1/11 • 

" + " L/II V/II - Vg 

Fig. 5-10 The complete small signal model of the coupled-inductor ZVS-l dual 

SEPle converter with parasitic resistances and leakage inductances. 
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(5-19) 

(5-20) 

It is found that the ideal model has a two-pole transfer function response. The reason is 

that the coupled inductor model without the parasitic resistances and the leakage 

inductances couples the two inductor states and the two capacitor states (Fig. 5-10). The 

control-to-output transfer function of the model including the parasitic resistances R I and 

(5-21 ) 

R 
VgO + M)(jIo - MJlo _1) V (1 + M)Kl A R -....::g~--

de3 = R R - K 
[Jl2_1 +(jI )20+-.1.)] 2 
oRo R 

(5-22) 

It is found that the transfer function of the converter changes from second order in the first 

model to the third order in the second model. The reason is that the parasitic resistances 

decouple the two capacitor states in the second model (Fig. 5-10). The control-to-output 

transfer function of the model with the parasitic resistances and the leakage inductances is: 
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(5-23) 

(5-24) 

(5-25) 

(5-26) 

(5-27) 

Now the transfer function of the converter changes from the third order in the second 

model to the fourth order in the final model. The reason is that the introduction of the 

leakage inductances introduces another inductor state to the converter (Fig. 5-10), which 

increases the order of the denominator, although it leaves the DC gain unchanged. 

5.4 Experimental Results 

In this section, the calculated transfer function response of the three models is 

compared to the measured response. The calculated and measured response of the ZVS-I 

and the ZVS-1I2 (half wave zero voltage switching) dual SEPIC converter with various 
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coupled inductor turns ratio (hence various magnetizing and leakage inductances) is 

illustrated. The calculated and measured response of a possible method to improve the 

transfer function response is also demonstrated. 

The experimental result of the control-to-output transfer function response actually 

measures the ratio of the variation of the output voltage v C2 over the variation of the 

switching frequency modulation voltage vm' not the switching frequency variation is' 
The plot of the measurement of the ratio of the variation of the switching frequency l'i over 

the variation of the switching frequency modulation voltage vm is shown in Fig. 5-11. 

The measurement is conducted by measuring the switching frequency change while varying 

the voltage V m by 0.05 V at each step. The slope of the plot in Fig. 5-11 is found to be: 
A 

Am = [s = 3.48x104 (5-28) 
v'n 

Knowing this factor Am and the value of kr in Eq. (5-9), the previous derived transfer 

functions of VC2 / kfis can be transformed into transfer functions of "C2 / V,II which are the 

actually measured transfer function response. In the following discussion, the calculated 

transfer function response "C2 / V,II is compared to the measured response. 

Two experimental concern is pointed out here. First, the converter must operate in 

the ZVS-l mode to obtain the expected transfer function response. Second, the converter 

switching frequency is 100KHz. The calculated transfer function magnitude response for a 

converter in ZVS-l mode (n=16/16) of the three models is shown in Fig. 5-12. The 

measured response (n=16116) is shown in Fig. 5-13. It is found that the final model 

matches the real response the best, although there is a pair of high frequency zeros shown 

in the measured response which can not be predicted by the final model. The cause of the 

high frequency zeros is still under investigation. 

The calculated magnitude and phase response of the final model of the ZVS-l dual 

SEPle converter with various coupled inductor turns ratio (hence various magnetizing and 
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Fig. 5-11 The switching frequency vs. switching frequency modulation voltage. 



" 

.' 

40 Mag. (dB) 

20 

o 

·20 

·40 

·60 1 
10 

IA 
~ 

''''' 

''''' 

frequency (Hz) 

I\\. 

'" ~ ~17 .v ... 

n=16/16 
C1=26J.lF 
C2=59J.lF 
Lm=25.75J.lH 
R1=R2=0.03fl 
Lp=9.15J.lH 
Ls=6.72J.lH 

Fig.5-12 The calculated magnitude response of the three models (n=16/16). 

JI! I! 11 
!: 

ji' r--~·~t-H, 
I j I i ,I', , ; 
I, , 

II~ _I 

J I.I! 
"" 

II II I~ 
l' • i , . 
,II I 

'1 II i 
! ; . I' 

I' 

.11 i/ ---L-I I 
j !, I, I I 
]llL I i 

'00 SIC 

I 

" I 

II 
I 
I 

" 
, 

"" ~'"' \ 
I "-, 

I 

IK 

! ~ 
I r+ 

I . ! 
il 

r ..... 'II1II 

'\ 
\i 
~ 

OdB 
Odeg 

Mag 
(lOdB/div) 

---
Phase 
(4Sdegldiv) 

Fig.5-13 The measured magnitude and phase response (n=16/16). 

97 



98 

leakage inductances) is shown in Fig. 5-14. Some measured magnitude and phase response 

of different coupled inductor turns ratios is shown in Fig. 5-15. The measured phase 

response particularly shows the trend of the different phase response from the different 

turns ratios (n=16116 in Fig. 5-13, n=16117, n=16118, n=16/19 and n=16/20 in Fig. 5-15) 

at the high frequencies, which is exactly the same as the final model predicts, as shown in 

Fig. 5-14. Notice that in the large signal analysis, the turns ratio is designed to compensate 

the voltage step down by the voltage divider in the coupled inductor zero current ripple 

condition (Eq. (3-2)). The small signal analysis shows that the change of the coupled 

inductor turns ratio can affect the small signal transfer function response by changing both 

the turns ratio and the values of the magnetizing and leakage inductances. Therefore, the 

DC and AC designs of the coupled-inductor ZVS-l dual SEPIC converter are interrelated 

by the coupled inductor operation. 

To show that the extended circuit averaging technique is truly valid to derive the 

small signal model for different quasi-resonant switching schemes, the calculated and 

measured magnitude and phase response of the ZVS-1I2 dual SEPIC converter with 

various coupled inductor turns ratio is shown in Fig. 5-16. The calculated response 

matches to the measured response very well, which certifies the validity of the extended 

circuit averaging method. 

The parasitic resistance RI in the final model has the similar two effects to the 

transfer function response as the parasitic resistance R I in the ZVS-l small signal model 

derived in Section 5.2. The calculated and measured response with capacitor CI equals 26 

IlF is shown in Fig. 5-17 and Fig. 5-18. It is found that the minimum parasitic resistance 

RI of 0.5 .Q is necessary to move the zeros from the RHP to the LHP, as seen from the 

phase response where the total phase shift has reduced from -540 degrees (4 LHP poles 

and 2 RHP zeros) in Fig. 5-14 to -180 degrees (4 LHP poles and 2 LHP zeros). 

However, the parasitic resistance of 0.5 .Q is impractically large. By increasing the 
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Fig. 5-16 (a) The calculated control-to-output transfer function response of the ZVS- 112 

SEPle dual converter with the coupled inductor(n= 16118 and 16/20). 
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Fig. 5-16 (b) The measured control-to-output transfer function response of the ZVS-1/2 

SEPIC dual converter with the coupled inductor(n=16/18 and 16/20). 
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capacitance CI to 70 J.lF, the minimum parasitic resistance RI of 0.05 Q is sufficient to 

move the zeros from the RHP to the LHP, as shown in the calculated and measured 

response in Fig. 5-19 and Fig. 5-20. Nevertheless, R I of resistance 0.05 Q does not 

provide enough damping to lower the Q of the pair of the low frequency zeros. 

5.5 Summary 

Several small signal models are developed (Fig. 5-2) for the coupled-inductor full 

wave zero-voltage-switched dual SEPIC converter to match the measured response. The 

small signal model for the uncoupled-inductor dual SEPIC converter is developed first. A 

new circuit analysis concept, the extended circuit averaging method, is introduced to obtain 

the DC and AC models of the PWM and the quasi-resonant converters in a very simple and 

straight forward way. The concept and the procedure is illustrated in Fig. 5-3. The 

method can be used for any PWM and quasi-resonant converters as long as there is no 

energy storage in the PWM and the quasi-resonant switches. A general DC and AC model 

can be derived for the "parent" converter by the extended circuit averaging method, which 

can be made specific to any switching scheme by appropriate substitution for the switch 

conversion parameter (J.l or d). By the new method, a small signal model of the dual 

SEPIC converter is derived, and a four-pole transfer function results from the uncoupled

inductor dual SEPIC converter model. It is found that the PWM and the ZVS-I dual 

SEPIC converters have the same four-pole transfer function formula except that the duty 

ratio control variable D in the PWM dual SEPIC transfer function formula is replaced by 

the switching frequency control variable J.l in the ZVS-l dual SEPIC transfer function 

formula. By including the parasitic resistance of the internal inductor into the small signal 

model, a possible transfer function simplification and the affecting of the transfer function 

zeros' location are found. 
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Three versions of small signal model are developed next for the coupled-inductor 

ZVS-I dual SEPIC converter. The small signal model is obtained by combining the ZVS-l 

dual SEPIC converter small signal model just derived and the averaged coupled inductor 

electrical model. In the ideal model, the coupled inductor not only couples the two inductor 

states but also couples the capacitor states such that a two-pole transfer function results. 

The parasitic resistances in the second version model decouple the capacitor states, hence a 

three-pole transfer function results. The l~akage inductances of the final version model 

introduce another inductor state, therefore, a four-pole transfer function appears again. 

Experimental measurement shows that the four-pole model with two RHP zeros, 

which producing -540 degrees of the total phase shift, is necessary to predict the actual 

converter behavior. The turns ratio of the coupled inductor is shown to affect the transfer 

function response. That means the design of the coupled inductor to obtain the zero current 

ripple condition in the large signal analysis is coupled with the small signal design from the 

transfer function response. The transfer function numerator analysis reveals a possible 

way to move the transfer function zeros from the RHP to the LHP so as to obtain a transfer 

function with only -180 degrees of the total phase shift. 
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VI. Conclusion 

The goal of this investigation is to design and construct a switching converter with 

transformer isolation and multiple-output capability that produces very low output noise 

and ripple on all outputs. Zero-voltage switching is employed to reduce parasitic 

oscillations and higher switching frequency harmonic contents because of its ability to 

absorb parasitic elements and its quasi-resonant switch waveforms. At the same time. 

coupled-inductor technique is used in the converter to attenuate lower switching 

frequency harmonics by its inductor current ripple steering characteristics. Some 

auxiliary packaging design considerations are also applied in building the converter 

circuit to help achieve the goal. In this study, the dual SEPIC converter is selected as one 

viable topology which satisfies the criteria of zero-voltage switching, coupled inductors. 

transformer isolation, and multiple outputs. The ZVS converter DC analysis is discussed 

in Chapter II. Integrated magnetics design is performed in Chapter III. Auxiliary 

packaging design issues are addressed in Chapter IV. The AC analysis of the converter is 

examined in Chapter V. 

In converter DC analysis, the steady-state operation of ZVS dual SEPIC converter 

is described. The method to construct a phase plane of a resonant converter is 

demonstrated. The phase plane of the ZVS resonant capacitor voltage and resonant 

inductor current is constructed. From the phase plane, the converter component stresses 

are derived. The component stresses are found to be proportional to the converter 

conversion ratio and output current(Eqs. (2-11)-(2-14)). The ZVS converter output 

equations(Eqs. (2-20)-(2-21)) from which the output planes are plotted, can be derived 

from the averaging of the ZVS resonant capacitor voltage. Normalized output plane 

gives the relationship between normalized output voltage and normalized output current 
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with normalized switching frequency as a variable parameter. The advantage of 

normalization is that the normalized output plane remains the same even with different 

converter operation condition. The ZVS-l output plane (Fig. 2-4) shows a natural 

voltage source characteristics, while the ZVS-l/2 output plane (Fig. 2-5) exhibits a load

dependent output characteristic. In the study, the ZVS-l switch which shows less load

dependent characteristics is used in the converter topology. Both ZVS-l and ZVS-1I2 

output plane curves show a lower boundary on the normalized output current on Y axis. 

The normalized output current magnitude must be greater than one for the converter to 

operate in the ZVS mode. With output plane and converter specifications, the design 

procedures of ZVS-l switch resonant components for the single-output and multiple

output converters are developed. Note that when designing the converter, there are 

constraints for the normalized output current in selecting the nominal operation range. 

The lower boundary of the normalized output current is one. The upper boundary of the 

normalized output current must result in reasonable component stresses. 

Integrated magnetics design is investigated in Chapter III. Integrated magnetics is 

a very attractive approach in the high power density switching converter application. It 

helps achieve high power density by reducing the number of cores used in the converter. 

By integrating a transformer and several inductors in one core, the converter performance 

also improves. A~! the unwanted inductor current ripple can be steered to the transformer 

primary where ac current exists naturally. 

An existing integrated magnetics design procedure is found in [5-6]. It has some 

disadvantages. Ambiguity and contradiction have been found in the existing design 

procedure in the core selection process. The existing design procedure gives the core, the 

numbers of turns of the windings, and the air gap. Another separate design process is 

required to fit the wires into the core, which results in un-optimized wire gauge selection 

and unspecified copper power dissipation limit. 
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In this paper, an improved geometrical core constant integrated magnetics design 

procedure is developed. It provides answers to the disadvantages found in the existing 

design procedure. In the improved design procedure, the copper power loss of the 

windin 102an be specified as a design input. The new procedure also includes the wire 

gauge selection design, which results in an efficient and convenient single-run design 

procedure. The improved design procedure does not have the ambiguity and 

contradiction encountered in the core selection stage of the existing design procedure. 

Perhaps the most convenience which can not be found in the existing design procedure is 

that, when a multiple-output transformer is integrated with several coupled inductors, the 

geometrical core constant approach(Eq. (3-31» has considered the extra space needed to 

accommodate those extra secondaries. A lot of readjustment work to fit the chosen core 

window area and the wire gauges can be saved with the copper dissipation already been 

specified. 

Two variation of the new design procedure has been demonstrated. The design 

procedure can be extended to integrate the multiple-output transformer and coupled 

inductors of converters with more than two outputs. It can degenerate to a coupled 

inductor design which can be a better alternative design procedure for the existing 

coupled inductor design in [4]. 

In Chapter IV, several auxiliary packaging design considerations are addressed, 

and the prototype design and steady-state experimental results are shown. The auxiliary 

packaging design in this study includes an interior ground plane to minimize the electrical 

field interaction with the environment. The geometry of the trace on the circuit board can 

be intelligently designed so that the impedance of the trace can be either more-inductive 

or more-capacitive depending on how the circuit requires the trace to be. Following this 

trace impedance design guide line, a special converter output load and a cable connecting 

the converter and the output load are designed for experimental measurement. Parasitics 
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in a circuit component itself may prevent the component from functioning ideally. An 

example is the output filter capacitor. Because of the parasitic inductance in the 

capacitor, the filter capacitor not only provides no attenuation but may even provide 

unwanted amplification at the very high frequency range. Therefore, a multi-layer 

ceramic capacitor is used as an output filter capacitor in the converter. 

The prototype design of the ZVS-I switch resonant components and the integrated 

magnetics design are demonstrated. Experimental ZVS-l resonant component 

waveforms, the transformer primary and secondary currents, and the coupled inductor ac 

curmnts are shown. From the experimental transformer currents, the coupled inductor 

current ripple has been successfully steered to the transformer primary. By geometrical 

core constant integrated magnetics design procedure, less than 3% peak-to-peak current 

ripple on both coupled inductors with no adjustment of turns or gap or design iterations 

has been observed from the experimental coupled inductor ac current waveforms. Note 

that to achieve the same filtering performance by separate magnetics approach, about 

twice the volume of the magnetics are required, which is an illustration how much 

volume the integrated magnetics approach can save. 

The converter ac analysis is performed in Chapter V. Several small signal models 

are developed for the coupled-inductor fuJI wave zero-voltage-switched dual SEPIC 

converter to match the measured response. The small signal model for the uncoupled

inductor dual SEPIC converter is developed first. A new circuit analysis concept, the 

extended circuit averaging method, is introduced to obtain the DC and AC models of the 

PWM and the quasi-resonant converters in a very simple and straight forward way. The 

method can be used for any PWM and quasi-resonant converters as long as there is no 

energy storage in the PWM and the quasi-resonant switches. A general DC and AC 

model can be derived for the "parent" converter by the extended circuit averaging 

method, which can be made specific to any switching scheme by appropriate substitution 



112 

for the switch conversion parameter (fl or d). By the new method, a small signal model 

of the dual SEPIC converter is derived, and a four-pole transfer function results from the 

uncoupled-inductor dual SEPIC converter model. It is found that the PWM and the ZVS-

1 dual SEPIC converters have the same four-pole transfer function formula except that 

the duty ratio control variable D in the PWM dual SEPIC transfer function formula is 

replaced by the switching frequency control variable fl in the ZVS-l dual SEPIC transfer 

function formula. By including the parasitic resistance of the internal inductor into the 

small signal model, a possible transfer function simplification and the affecting of the 

transfer function zeros' location are found. 

Three versions of small signal model are developed next for the coupled-inductor 

ZVS-l dual SEPIC converter. The small signal model is obtained by combining the 

ZVS-l dual SEPIC converter small signal model just derived and the averaged coupled 

inductor electrical model. In the ideal model, the coupled inductor not only couples the 

two inductor states but also couples the capacitor states such that a two-pole transfer 

function results. The parasitic resistances in the second version model decouple the 

capacitor states, hence a three-pole transfer function results. The leakage inductances of 

the final version model introduce another inductor state, therefore, a four-pole transfer 

function appears again. 

Experimental measurement shows that the four-pole model with two RHP zeros, 

which producing -540 degrees of the total phase shift, is necessary to predict the actual 

converter behavior. The turns ratio of the coupled inductor is shown to affect the transfer 

function response. That means the design of the coupled inductor to obtain the zero 

current ripple condition in the large signal analysis studied in Chapter III is coupled with 

the small signal design from the transfer function response obtained in Chapter V. The 

transfer function numerator analysis reveals a possible way to move the transfer function 

zeros from the RHP to the LHP so as to obtain a transfer function with only -180 degrees 
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of the total phase shift by means of varying filter capacitor values and damping 

resistance. 

With the results of the investigation, a low output ripple and noise converter can 

be implemented with a ZVS-I switch and an integrated magnetics structure. The required 

ZVS-l resonant components can be designed from the design procedure developed in 

Chapter II. The integrated magnetics structure can be realized following the new 

geometrical core constant approach revealed in Chapter III. The small signal analysis 

investigated in Chapter Venables us to design a stable controller for the converter. The 

design procedures developed here can also facilitate the development of many other 

quasi-resonant, integrated magnetics converters. 
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