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ABSTRACT
Dispersion, attenuation, and crosstalk are several major challenges that both a
high-speed digital and a microwave serial link must overcome to achieve their desirable
performance. These phenomena are directly related to the frequency dependency of the
dielectric property of the material used in package and interconnect. The dielectric
property of a material is commonly measured by its manufacturer in a particular direction
at a few discrete frequencies using resonator and waveguide methodology. Since the
dielectric property may vary during manufacturing processing, the measurements taken
by the manufacturer might be not adequate. Moreover, the dielectric property of a
material in a bandwidth that covers at least the second harmonics of the fundamental
operational frequency is required to accurately predict the link performance. One of the
efforts in this research is to investigate the methodology of realizing broadband
characteristics of the dielectric property of a material in its “as packaged” configuration
using various transmission line topologies, such as microstrip line and Co-Planar
Waveguide (CPW). Transitions from CPW to other transmission line topologies are
mandatory if CPW probes are used to achieve broadband and repeatable measurements.
Since microstrip line is one of the transmission line topologies involved in this research, a
research effort is dedicated to develop a broadband CPW-to-microstrip line transition. An
effort is also expended to creating casual material models that can be used in
electromagnetic simulators to appropriately model the link based on the polarization
mechanism of the materials. In addition to focusing on the measurement method in
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frequency domain, Short Pulse Propagation (SPP), a time domain method, is investigated
as well. A virtual test bench is created to investigate the correlation between impedance
variations in stripline structures due to fabricated tolerance and the attenuation predicted
by SPP.
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Chapter 1 INTRODUCTION

1.1 The Challenges in High-Speed Interconnects Signal Integrity
When the clock frequency of a digital system is above 100 MHz, or when an
analog system operates in a frequency range of 100 MHz to 100 GHz, it can be
considered as high-speed or high-frequency respectively. In these cases, an understanding
of waves and their propagation is important because the conductor and even components
are of similar size to the wavelength of the electromagnetic wave that they control. In the
high-frequency or high-speed regime, interconnects are no longer transparent to the
signals and one or more signal integrity problems arise.

Consequentially, the

transmission line properties of interconnects must be considered.
Signal integrity refers to all problems caused by interconnects in a high-speed
system. It is about how the electrical properties of interconnects, interacting with the
digital signal’s voltage and current waveforms, can affect the performance. Signal
integrity related problems can be categorized as the following [1]
1. Timing
2. Noise
3. Electromagnetic interference
The “Timing” refers to jitter, which can be defined as “the deviation of the
significant instances of a signal from their ideal location in time.” To put it more simply,
jitter is how early or late a signal transition is with reference to when it should transition.
In a digital signal the significant instances are the transition (crossover) points. This
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applies whether the time reference is generated from the sampled data or is externally
provided. Jitter is important for exactly the same reason as signal-to-noise ratio (SNR); a
low SNR means a high bit error ratio (BER). Voltage noise causes bit errors when the
signal voltage fluctuates vertically across the logical-slice threshold. Similarly, jitter
causes errors when the timing of a signal transition fluctuates horizontally across the
sampling points. The sampling point is the point in voltage and time where the receiver
determines whether a bit is a logic one or zero.
Fourier transform can be applied to decompose a digital signal into sinusoidal
signals with a discrete or continuous spectrum. Each sinusoidal signal composing of a
digital signal can be expressed mathematically as

Vr = [V0 + ΔV (t )]sin[ωt + φ (t )]

(1-1)

where ΔV(t) is the amplitude noise and φ(t) is the phase noise, or amplitude modulation
(AM) and phase modulation (PM). Both AM and PM can cause jitter. The phase noise
term, φ(t), translates the periodic function, in this case a simple sinusoidal signal,
horizontally and the amplitude noise, ΔV(t), translates the signal vertically.
The skin effect and dielectric loss causes frequency dependent attenuation in
interconnects while the frequency dependent dielectric permittivity in the substrate of
interconnects results in phase velocity dispersion in interconnects. Both dispersions cause
the signal distortion. Figure 1-1 illustrates how the dispersive interconnects widens and
distorts the input pulse signal. The distortion caused by dispersion in interconnects
introduces inter-symbol interference (ISI) which adds additional jitter to the signal. In
addition, the dispersion of interconnects interact with the noise in the system to cause
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Figure 1-1 Channel Pulse Response Due to Dispersion
the jitter input to the system to increase, a phenomenon called amplification.
Voltage and phase noise in the system can be generated by the circuit itself or by
electromagnetic interference in packages and interconnects of the system. With the
dramatic increases in circuit speed and package density, the crosstalk becomes one of the
dominant factors that limit the data rate achievable in a high-speed system. The crosstalk,
caused by electromagnetic interference in a form of capacitive or inductive couplings
among interconnects, adds additional noise to the system, and hence causes further timing
margin and voltage margin degradation. The far end crosstalk (FEXT) is directly related
to the even and odd mode signal propagation velocities in interconnects and to the
termination impedance of interconnects.
The reflection, caused by the impedance mismatch in the system, aggravates the
ISI and crosstalk, and therefore further deteriorates the time and voltage margin of a
high-speed system [2]-[3]. Apparently, ISI, jitter amplification, crosstalk, and reflection
are closely related to the transmission line property of interconnects.
With the increase on the data rate and decrease on bit error rate (BER) in a
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system, especially with the data rate higher than few gigabits per second, the channel
consisting of interconnects and packages is entering a region where it becomes a
significant factor and a bottle neck of the system performance. A very precise analysis on
the link performance is required in order to prevent any unrealistic specification on IC
design and communication algorithm for the system.
1.2 Technical Importance of Material Characterization for High-Speed Serial Link
The first step of precise analysis on the link performance is to create accurate and
causal transmission line models for interconnects. To ensure the causality of the
transmission line model, knowledge of the complex permittivity of dielectric materials is
of prime importance. It remains as one of the challenges to creation of accurate and
causal model for the interconnects. Any errors in the complex permittivity could lead to
significant changes in the overall performance of the designed circuit and the system. As
the direct consequence of the causality, the complex permittivity of the substrate, εr΄-jεr″,
must be frequency dependent and analytical in the upper half complex plane. The
analyticity condition of εr΄-jεr″ implies that εr΄(ω) and εr″(ω) are interrelated through the
Kramers–Kronig relationship as being explained in both [4] and in Chapter 3 . In
addition, εr΄ must be an even function with frequency while εr″ is an odd function with
frequency given as
(1-2a)
"

"

(1-2b)

Beside the causality consideration, the dispersion and attenuation in the highspeed system are other important limiting factors to the system performance. The impact
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of those two factors needs to be accurately accounted for in order to design an efficient
and cost effective system with appropriate equalization scheme. In general, the dispersion
and attenuation are dominated by conductor skin effect at lower frequency and are
controlled mainly by the properties of the dielectrics at higher frequency. The dielectric
material used in a high-speed system usually demonstrates anisotropic characteristics.
The anisotropic property of the dielectrics also affects the system performance. To
accurately predict the transient response of the system, a broadband material model that
incorporates the causality, dispersion, attenuation, and anisotropic behavior is required.
The dielectric permittivity provided by manufacturers, however, is typically given at few
frequencies in a particular direction with a maximum tolerance. In addition, the dielectric
permittivity of a material can vary due to process variation.
1.3 Research Objectives and Organization of This Dissertation
To acquire more accurate information regarding the dielectric permittivity of
material once it is made, various techniques as illustrated in Figure 1-2 have been
proposed to conduct dielectric permittivity measurements. The permittivity of a bulk
dielectric material can be measured using a cavity resonator or an airline coaxial line [5][7]. Although those methods provide reliable results, the measurements often do not
resemble the “as-packaged” circuit configuration or they may be taken at a few discrete
frequencies. In order to measure the dielectric material permittivity in its “as-packaged”
configuration, some previous research efforts have been directed to material
characterization using planar test structures such as stripline [8]-[9], microstrip resonator
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Figure 1-2 Popular Measurement Method for Material Characterization
or microstrip line [10]-[14], and coplanar waveguide (CPW) transmission lines [15][17]. The propagation coefficient of a stripline is directly related to the insulator
characteristics. The stripline signal conductor; however, needs an external connection
from either the top or side of the board to the buried stripline center conductor. This
connection can be made through a signal via [8] or SMA connector [9], but either type of
connections creates a challenge in de-embedding the stripline characteristics even with
the Multiline TRL [18], [19] calibration. On the other hand, the fabrication and
measurement de-embedding processes on microstrip and CPW transmission lines are
repeatable and straightforward to implement. To characterize the dielectric property of
materials used in interconnects in their “as packaged” configuration, two types of
transmission lines, such as microstrip line and Coplanar Waveguide (CPW), are explored
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in this research.
The ultimate objectives of this research are to realize the broadband measurement
on dielectric property of interconnects in their “as packaged” conditions and to create
causal dielectric models for the material that can be used in full wave field solver. To
realize the goals of this research, the following efforts were expended
1. A broadband CPW-to-microstrip transition was designed since transitions
between CPW and other transmission media are essential for measurements taken
with CPW probes.
2. Techniques to extract the dielectric permittivity of the microstrip substrate from
propagation coefficient measurements were developed. The impact of internal
inductance to the measured propagation coefficient of microstrip line was
examined and a possible way to account for this influence was investigated.
3. A method of creating causal material models from the dielectric permittivity
extraction was proposed.
4. The methodology of quantifying the measurement uncertainty was discussed.
5. A method of extracting equivalent dielectric permittivity and loss tangent of CPW
line was established. The influence of the surface roughness on the attenuation
due to conductor loss was also investigated and the prediction of this influence
was provided.
6. Short Pulse Propagation (SPP) is a time domain method that can be used to
characterize the dispersion in attenuation of interconnects. A virtual test bench
was created to correlate the transmission line impedance variation to the
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attenuation measurement error.
This dissertation is organized to serve as a document for the research conducted
by me as a Ph.D. student at the University of Arizona, as well as a reference volume for
scientists and engineers in industry who work on the material characterization. Chapter 1
gives an overview of the signal integrity challenges faced by the high-speed serial link
and the importance of material characterization. Chapter 2 is devoted to the design of a
broadband CPW-to-microstrip line transitions.
Chapter 3 discusses the dielectric permittivity extraction method of using
microstrip lines, the internal inductance influence on measured effective permittivity of
microstrip lines, and the mathematical model of quantifying the measurement
uncertainty. Chapter 4 presents the method of obtaining the equivalent dielectric
permittivity of a media by employing the CPW lines. The impact of conductor surface on
the attenuation due to conductor loss is also discussed in Chapter 4.
In Chapter 5, Short Pulse Propagation (SPP) is briefly introduced and the concept
of virtual test bench for correlating the transmission line impedance variation to the error
of predicted attenuation by this method is presented and illustrated. Finally, future work
is summarized in Chapter 6.
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Chapter 2 DEVELOPMENT OF A BROADBAND COPLANAR WAVE-TOMICROSTRIP TRANSITION WITH VIAS

2.1 Introduction
A transition from coplanar waveguide (CPW) to microstrip is required to extract
accurate on-wafer measurement results of microstrip structures. In many cases broadband
measured scattering parameter (S-parameter) results are to be compared with broadband
modeling and simulation results. This means a CPW-to-microstrip transition that supports
single-mode propagation over a broad frequency band must be utilized.
Transitions between CPW and microstrip fall into three categories: transitions
with bond wires, transitions without vias, and transitions with vias [20]. A transition
using bond wires connects the microstrip line to the CPW by bond wires. The bond wire
design may create high reflections because of field mismatches between the CPW and
microstrip. The bond wire can introduce unwanted inductance created by the potential
difference between the microstrip ground and CPW ground planes [20]. A vialess
transition is realized through electromagnetic coupling between the CPW ground plane
and the microstrip ground plane. The vialess transition simplifies the fabrication and
introduces very little parasitic inductance. The vialess transition; however, has a bandpass response [21]-[24] that cuts-off the low frequency response.
CPW-to-microstrip transitions using vias have been employed for on-wafer
measurements of microstrip in cases where either a compact transition or when a low
measurement frequency is required. Figure 2-1 shows the CPW-to-microstrip transition
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(a) Top View

(b) Isometric View

Figure 2-1 CPW-to-Microstrip Transition
developed in this research where the CPW and microstrip are fabricated on the same
surface of the substrate. The transition uses vias to connect the CPW and microstrip
ground planes. This type of transition is discussed in [20] and [25], but the results provide
no correlation between the field structure and the transition bandwidth. There have been
some reported research results on the development of lumped element circuit models for
CPW-to-microstrip transitions commonly used in on-wafer measurements. The circuit
models are primarily used to de-embed the effects of the transition from the measurement
results and are not intended to be used to develop broadband transition designs [26]-[28].
The results discussed in [29] and [30] involve CPW-to-microstrip transitions with vias for
cases where the CPW is fabricated on the opposite side of the substrate as the microstrip.
These types of structures are not always feasible.
The work presented in this chapter provides some new information on the design
of broadband CPW-to-microstrip transitions. This work identifies and characterizes the
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dominant factors related to the transition bandwidth. It shows how the field
characteristics of the transition correlate to the bandwidth of the transition. The important
factors that indicate the cut-off frequency of the higher order modes are defined. The
results also show the importance of using both field and impedance matching in order to
ensure that the overall transition has low-reflections and supports only a single mode of
propagation. The results can be used to help engineers understand the electromagnetic
behavior of the transition and reduce the design time to develop a broadband transition.
One must also consider the parameters set by the fabrication process and the geometry
size of the probe tips to interface with the probes.
The utilization of scattering parameters to characterize the performance of a
microwave structure requires single mode propagation through the structure. The CPWto-microstrip transition must also support only a single propagating mode for proper deembedding of the transition from the measurement results. In this work, the transition
bandwidth is defined as the continuous frequency range where the transition supports
only a single propagating mode, the insertion loss is less than 3 dB, and the return loss is
better than 10 dB.
The goal of this work was to develop a transition that works up to 40 GHz. The
transition structures that were considered in this work are shown in Figure 2-1 and Figure
2-2. The material used in the design is Rogers RT Duriod 6010 with εr =10.2 and tan(δ) =
0.0027. The metal thickness is 17 μm, and the substrate thickness is 0.635 mm. The CPW
probe pitch used for the design is 250 μm.
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(a) one via

(b) three vias in y Direction

(c) three vias in x direction

(d) five vias in both x and y direction

Figure 2-2 Transition Configurations
Figure 2-1 shows the cross-section that is common to all structures. The structures
include a purely CPW section that ensures a proper field match at the contact point with
the CPW probes. There is a small section of conductor backed co-planar waveguide (CBCPW). The CB-CPW section then transitions to microstrip. The bandwidth of the
transition is determined by four dominant factors: 1) energy leakage in the CB-CPW
section; 2) field match along the transition; 3) impedance match along the transition; and
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4) higher order mode propagation along the transition. Energy leakage is any energy that
is directed away from fundamental energy that should be guided along the signal line of
the transition.
In Section 2.2, full-wave modeling results are used to demonstrate how various
geometrical factors influence the transition performance. The parameters include the
number of vias, the placement of the vias, and the ratio of the microstrip width to its
substrate height. Section 2.3 compares the measured and simulated results of a final backto-back transition design. The research addresses the possible causes of higher mode
propagation that occurs at the upper frequencies in the pass band. Some ideas on how to
suppress these modes are provided. Section 2.4 gives some conclusions.
2.2 Transition Design
It is important to design a broadband CPW-to-microstrip transition since the
transition bandwidth determines the bandwidth over which the effects of the transition
can properly be de-embedded from the measurement results. Scattering parameters
assume dominant mode propagation. The presence of other modes significantly degrades
the accuracy of the extracted measurement results. This is particularly apparent when the
multiline TRL (thru-reflection-line) calibration approach is used to de-embed the
transition [20]. ML-TRL is particularly vulnerable since the process includes
measurements on multiple line standards and the method assumes that the cross-sections
of every measured line are identical to one another.
Figure 2-1 shows the geometrical parameters of the transitions considered in this
work. Figure 2-1(a) shows a top view of a single transition. Figure 2-1(b) shows a back-
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to-back transition. The parameters of the transition are G1=0.1; W1=0.12; G2=0.29;
W2=0.34; W3=0.57; dx = 1.48, dy = 0.4, L=2.82; LT=10.55 (all in mm). The value of G
and the value of W1 were chosen in order to be compatible with the pitch size of the CPW
probes. The width of the signal line in all of the transition sections was chosen to yield a
characteristic impedance of 50 Ω along the transition within the desired frequency band
and to avoid any abrupt discontinuity to minimize the reflection along the transition. The
Lincalc utility from Agilent Advanced Design System (ADS) [31] was utilized to
determine the width of the signal line in each section. Ansoft’s High Frequency Structure
Simulator (HFSS) [32] was used to analyze the electromagnetic fields in the various
sections. Figure 2-1(a) shows the cross-sectional locations where the electric fields were
evaluated. Location A-A´ is in the CPW section near the measurement port. Location BB́́ is in the CPW section near the intersection of the CPW and CB-CPW sections.
Location C-C´ is in the CB-CPW section with a wider gap between the top layer ground
planes.
The via placements studied in this work are shown in Figure 2-2. The vias in all
cases are placed in the CB-CPW section and are used to suppress parallel-plate
waveguide modes and radiation in this section. The transition shown in Figure 2-2 (a) is
the one-via design (one via on either side of signal line) and represents the simplest
approach. The transition in Figure 2-2(b) shows three vias on each side of the signal line
that are distributed along the y-direction. The vias in this case create a via-fence that is
parallel to the signal conductor. The transition in Figure 2-2(c) has three vias on either
side of the
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plate modes and radiation loss are the main sources of energy leakage along a CB-CPW
structure. The use of additional vias helps to reduce the energy leakage. The presence
and placement of the vias in the CB-CPW section affects the transition bandwidth by
controlling not only the energy leakage in the CB-CPW but also the field and impedance
match along the transition.
A. The Influence of the Number of Vias on the Transition Bandwidth
Vias connect the ground plane on the substrate backside to the CB-CPW ground
on the top. There is a potential difference between the top and bottom grounds; however,
because of the parasitic inductance of the vias. An unequal potential between the upper
and lower two ground planes allows the parallel-plate mode to propagate. This section
evaluates how the number of the vias in the CB-CPW section affects the fields of the CBCPW section.
Figure 2-5 shows the magnitude of the electric field in the CB-CPW section, at
location C-C´, for all the transitions shown in Figure 2-2. Figure 2-6 shows the Sparameters for back-to-back transitions that use the transitions shown in Figures 2-2(a),
2(b), and 2(d). Figure 2-5 (a) clearly shows that the parallel plate mode propagates when
only one via is used. This figure also shows a substantial amount of radiation above the
transition. When three vias are used in the CB-CPW section, the energy leakage due to
the parallel-plate mode propagation is greatly reduced. This is because additional vias
can further equalize the potential differences between the upper and lower ground planes.
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When five vias are used and arranged as in Figure 2-2(d), the electric field is
concentrated along the signal line and there is very little radiation and parallel-plate mode
propagation in the CB-CPW section. The S-parameters show that careful selection of the
number of vias can also affect the overall bandwidth of the transition as well as the
number of resonances within the frequency band of interest. The bandwidth of the onevia transition is 32 GHz with 3 resonances. The transition shown in Figure 2-2(b) has a
37 GHz bandwidth with 2 resonances. The transition shown in Figure 2-2(d) has a 40
GHz bandwidth with 1 resonance.
It is interesting to explore how the number and placement of the vias in the CBCPW section affects the fields that propagate in the CPW section. Figure 2-7 shows the
magnitude of the electric field in the CPW section, located at A-A´, for all the transitions
shown in Figure 2-2. The probe tips interface the circuit very close to location A-A´. The
different field plots emphasize how suppressing the parallel-plate waveguide modes in
the CB-CPW section improve the field match at the probe tip. Figure 2-7 (a) shows that
the CPW section is overmoded even at cross-section A-A´ when only one via is used.
This overmoding is due to the reflection caused by field mismatch between the CPW
section and CB-CPW section. Any mode other than the pure-CPW mode results in energy
leakage that reduces the efficiency of the transition. Figs 2-7(b) and (c) show that this
leakage energy is significantly reduced when additional vias are included in the CB-CPW
section. Figure 2-7(d) shows that the pure CPW mode is propagating at location A-A´.

32

0

S11 (dB)

-10
-20
-30
-40

Figure 2-2(a)
Figure 2-2(b)
Figure 2-2(d)

-50
-60
0

5

10 15 20 25 30 35 40 45 50
Frequency (GHz)

(a) S11
0

S21 (dB)

-3
-6
-9

Figure 2-2(a)
Figure 2-2(b)
Figure 2-2(d)

-12
0

5

10 15 20 25 30 35 40 45 50
Frequency (GHz)

(b) S22
Figure 2-6 S-parameters for Back-to-Back Transitions
With Different Via Numbers
Additional vias in the CB-CPW section helps both the field match at the probe tip and
equalizes the potential between the top and bottom ground planes. Additional vias;
however, increase the fabrication complexity and cost.
The addition of more vias along the transition in the y-direction results in a longer
structure of inductive elements periodically placed along the center signal line. This
structure can excite Floquet waveguide modes that reduce the power in the microstrip and
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CPW modes in the CB-CPW section [30]. The Floquet modes also create a large
mismatch between the CB-CPW and microstrip fields that ultimately narrows the
transition bandwidth. So careful consideration of the number of the vias must be taken
into account.
B. The Impact of Via Placement on the Transition Bandwidth
The vias equalize the potential difference between the upper and lower ground
planes. This significantly suppresses the parallel-plate mode and radiation. The specific
placement of the vias also impacts the energy leakage, the field match, the impedance
match, and the transition bandwidth.
The results presented in [33] show how the specific locations of the vias affect the
suppression of unwanted parallel plate modes. This work shows that the placement of the
vias along the gap (in the y-direction) of the CB-CPW section is the most effective way
to eliminate or reduce such modes. The field plots shown in Figure 2-5(b) and Figure 25(c) confirm this finding. Figure 2-5(b) shows that placing three vias in the y direction,
along the gap of the CB-CPW section, significantly reduces the radiation, the parallelplate mode, and the fringe fields. The electric field plots presented in Figure 2-5(c) shows
that energy leakage is not effectively suppressed when the three vias are placed in the xdirection at the edge of the upper ground plane.
Figure 2-8 compares the S-parameters obtained from HFSS simulations for
structures with back-to-back transitions that use three vias. The via placement for these
transitions are shown in Figures 2-2(b) and Figure 2-2(c). Figure 2-8 indicates that the
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Figure 2-8 Scattering Parameters for Back-to-Back Transitions
With Three Vias
proper placement of the vias does affect the transition bandwidth. The bandwidth is wider
when the vias are placed along the y-direction. The transition with vias along the xdirection; however, has lower return loss at frequencies above 17 GHz than does the
transition with vias along the y-direction. This indicates that placing the vias along the y-
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direction impacts the characteristic impedance of the CB-CPW section. When multiple
vias are placed along the y-direction, they form an electric wall that creates a small
rectangular waveguide in the CB-CPW section [34], [35]. The cut-off frequency of the
dominant rectangular waveguide mode is determined as [35]

fc =

c
2 ε r (d x − d )

(2-1)

where fc is the cut-off frequency of the dominant mode; dx is the distance between two
vias located on opposites of the center conductor as shown in Figure 2-1(a); d is the via
diameter; c is the speed of the light; and εr is the relative dielectric constant of the
substrate. The back-to-back transitions evaluated in Figure 2-8 used dx = 1.48 mm, d =
0.2 mm, and ε΄r = 10.2. The cut-off frequency for the dominant rectangular waveguide
mode with these parameters is 36.69 GHz. In order to achieve a wider bandwidth
transition, the cut-off frequency of the dominant rectangular waveguide mode created by
the vias must be increased.
Equation (2-1) indicates that when the vias are placed closer to the signal line, the
cut-off frequency for the rectangular waveguide mode is increased. To investigate how
the value of dx affects the field structure of the CB-CPW section and the transition
bandwidth, a structure as shown in Figure 2-2 (b) was simulated using HFSS for the cases
with dx = 1.22, 1.48, or 1.88 mm. The cut-off frequencies of the rectangular waveguide
mode computed using (2-1) for these three cases are 46.04 GHz, 36.69 GHz, and 27.95
GHz, respectively. Figure 2-9 shows the simulated electric field magnitude taken along
C-C' plane at 36.73 GHz for the transitions that use the three dx cases. The electric field
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Figure 2-10 Scattering Parameters for Back-to-Back Transitions with Three
Vias along y Direction for Different Values of dx
shown in Figure 2-9(a) shows no radiation or parallel plate mode propagation. This is
because the rectangular waveguide cut-off frequency for this structure is 46.04 GHz.
Figure 2-9 (b) shows the parallel plate mode propagation is effectively suppressed, but
some radiated fields still exist. Figure 2-9(c) shows that the parallel-plate mode and
radiation is not effectively suppressed at 36.73 GHz. These field plots show that placing
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Figure 2-11 Input Impedance and Power Loss for Back-to-Back Transitions
with Three Vias along y Direction for Different Values of dx
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Figure 2-12 Scattering Parameters for Back-to-Back Transitions with Three
Vias along y Direction with dx = 1.22 mm for Different Values of dy
the vias close to the center conductor suppresses the radiation loss and parallel plate
mode propagation. This is because of the high cut-off frequency of the rectangular
waveguide mode.
The distance, dx, between vias impacts the characteristic impedance of the CBCPW section as well. Figure 2-10 shows the S-parameters of three back-to-back
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transitions that have three vias in the y-direction for the cases with dx =1.22 mm, 1.48
mm, or 1.88 mm. Figure 2-11 shows the input impedance and power lost to the parallelplate mode and radiation. The value of dy is 0.4 mm for all three cases. The insertion loss
of the transitions with dx = 1.48 and 1.88 mm increases significantly at the frequencies
predicted by equation (2-1) due to the rectangular waveguide mode propagation. The
transition with dx = 1.22 mm shows a large impedance variation near its resonant
frequency of 27.55 GHz. These results show that placing the vias too close to the center
conductor narrows the bandwidth of the transition since large reflections are created by
the large impedance mismatches as shown in Figure 2-10 and Figure 2-11 for the case of
dx =1.22 mm. These results show that the dx parameter must be chosen to balance the
suppression of radiation and parallel plate mode propagation and the impedance
mismatch with the other transition sections. Transitions with different values of dx other
than listed above were also simulated in order to optimize the design value of dx. All the
simulations indicate that the value of the ratio of dx/h between 2 and 2.5 gives the widest
bandwidth given a fixed via configuration, number of vias, and dy value. The values of dx
=1.22, 1.48, and 1.88 mm have a dx/h ratio of 1.9, 2.3, and 2.9 respectively.
Equation (2-1) indicates that the dx value determines the cut-off frequency for the
rectangular waveguide mode and thus directly impacts the bandwidth. If a smaller dx
value is used to increase the cut-off frequency of this mode, then the value of dy must be
adjusted appropriately. Figure 2-12 shows the S-parameters of three different back-toback transitions that have three vias in the y-direction for the cases with dy = 0.3, 0.4, or
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Figure 2-13 Input Impedance and Power Loss for Back-to-Back Transitions
with Three Vias along y Direction for dx = 1.22 mm, with Different Values of dy
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0.5 mm. Figure 2-13 shows the input impedance and power lost to the parallel-plate mode
and radiation. The value of dx is 1.22 mm for all three cases. Figure 2-13 (c) shows that
increasing dy increases the operating bandwidth of the transition. The power loss of the
transition with dy=0.5 mm shows a rapid increase at the highest frequency for this case.
These results show less variation with different values of dy than did the results with
different values of dx. The parasitic inductance increases when the via radius decreases
and when the spacing between adjacent vias increases. The influence of the via on the
characteristic impedance of the CB-CPW section is minimized when the separation
between two adjacent vias is electrically small compared to the wavelength. The work in
[35] suggests using vias that are separated from one another in y direction by less than a
half of a guide wavelength in order to effectively suppress the parallel plate waveguide
modes. A 0.4 mm center-to-center distance between the adjacent vias was used in this
work.
C. Microstrip Width and the Transition Bandwidth
The single mode propagation is required for the microstrip section in order to
correctly de-embed the measurement for the microstrip line. The ratio of the microstrip
line width to the substrate height determines the higher modes that can be excited. It was
illustrated in both [36] and [37] that extra caution needs to be taken when the product of
the substrate height and frequency is greater than 3cm-GHz. A narrower line has a higher
cut-off frequency for the higher order mode excitation. The measurements of the
narrower line, however, are more sensitive to the line width variations [36].

44

0

S11 (dB)

-10
-20
-30
-40

W3=0.37mm

-50

W3=0.57mm

-60
0

W3=0.7mm
5 10 15 20 25 30 35 40 45 50
Frequency (GHz)

(a)
0

S21 (dB)

-3
-6

W3=0.37mm
W3=0.57mm
W3=0.7mm

-9

-12
0

5 10 15 20 25 30 35 40 45 50
Frequency (GHz)

(b)
Figure 2-14 Scattering Parameters for Back-to-Back Transitions with
Different Microstrip Width W3 for Via Placement Shown in Figure 2-2(d)
The characteristic impedance of the CPW and CB-CPW are designed to be 50 Ω
within the desired bandwidth. Since a microstrip line is an inhomogeneous structure
along the transverse plane to the direction of propagation, its impedance varies with the
frequency. The microstrip characteristic impedance was calculated for different line
widths in order to find a line width that gives the smallest variation in impedance from 50
Ω over a frequency band of 1 GHz to 40 GHz and gives the highest cut-off frequency for
the first higher order mode. Microstrip line widths of 0.37 mm, 0.57mm and 0.7 mm were

45

considered. The 0.37 mm wide line gives the highest cut-off frequency for the higher
order mode propagation, the least line width variation along the transition, and the largest
variation on the characteristic impedance. The 0.7 mm line gives the least impedance
variation, the lowest cut-off frequency for higher order mode excitation, and the largest
line width variation along the transition. Figure 2-14 shows the S-parameters of back-toback transitions using the five-via configuration shown in Figure 2-2(d) for the three
different widths of microstrip line. The 0.57 mm wide line gives the lowest reflection
within the pass band and gives the best overall performance.
D. Design Process Summary
A good broadband transition from CPW to microstrip is shown in Figure 2-2(d).
This transition has three vias along the y-direction and three vias along the x-direction.
The overall design process is to first determine the cross-section dimensions of the CPW
and CB-CPW sections in order to yield 50 Ω line impedances. The width of the
microstrip line is determined by finding the line width that gives the smallest variation in
impedance from 50 Ω over a frequency band. The width to height ratio of the microstrip
can be calculated and used with a graph given in [37] to evaluate the approximate cut-off
frequency of the higher order mode propagation along the microstrip line. This can be
used to determine the upper frequency limit of the transition that can be used correctly to
de-embedded the microstrip results.
The upper ground planes of the CB-CPW can radiate in a manner similar to a
patch antenna. The resonant frequencies for an equivalent patch antenna made up of the
CB-CPW section can be approximately computed using a cavity model equation [33]
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where Wg and Lg are the width and length of the CB-CPW top ground plane, as shown in
Figure 2-1(b). When a resonance occurs, the energy leakage due to the radiation is
maximized. This equation can be used to estimate how many resonances occur within the
passband. A small top ground plane is preferable over a large top ground plane. The
length of the top ground plane, Lg must be long enough to accommodate the vias and to
allow the field transition. In order to determine a good design, different lengths for the
CB-CPW section side ground plane were simulated. It was found that the value Lg should
be λg/4 at the center frequency of the transition operation, where λg is the wavelength in
the CB-CPW section, gives the widest bandwidth. If Wg is made to be very small, then
CB-CPW operates as FW-CBCPW (finite-width, conductor backed co-planar
waveguide), which has a lower characteristic impedance than the conventional CB-CPW
[25]. As indicated in [25], the ratio of Wg/W, where Wg and W are the width of the side
ground plane and the center conductor respectively, should be greater than 20 to be
considered as CB-CPW. If a smaller ratio of Wg/W is chosen to reduce the number of
resonances within the passband, the gap in the CB-CPW section should be adjusted
accordingly to compensate the impedance variation due to the finite width of the top
ground plane. The selection of Wg should also allow for the space and the registration
variation of the vias.
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Once the dimensions of CB-CPW top ground plane are determined, the resonant
frequencies can be calculated using equation (2-2). The equation indicates the frequencies
where suppression of radiated energy might need to be considered. The radiation
efficiency of a microstrip patch depends on the field configuration along the edges of the
patch.
HFSS was used to evaluate the resonant frequencies and efficiency of the energy
radiated by the CB-CPW section. The width and height of an equivalent patch antenna
are Wg, and Lg, respectively. Table 2-1 lists the cavity modes that can radiate for this
structure, the resonant frequencies computed using (2-2), the resonant frequencies
computed from HFSS, and the radiation efficiency computed from HFSS. The modes that
have overall low radiation efficiency show very little loss due to radiation and can be
neglected. The modes that significantly impact the insertion loss are TMz10, TMz20, and
TMz21 modes.
After the number of radiating modes and their corresponding E-field
configuration are identified, the next step is to determine the number of vias that are
needed and their corresponding location. Since both the TMz10 and TMz20 modes have an
Ez field maximum along the y direction, placing vias along the y direction should
suppress the radiation effectively. An examination of the power levels obtained when
using one via along the y direction in the CB-CPW section as shown in Figure 2-2(a)
indicates that 29.87% of the incident power is radiated, 0.6% is reflected, and 66.25% is
transmitted through the transition. When two more vias are placed along y as shown in
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Table 2-1 Cavity Resonance Frequencies
(Wg = 3.44 mm, Lg = 1.825 mm, h = 0.635 mm, εr= 10.2)
Modes

fmn

fmn Equation

fmn HFSS

HFSS simulated

(2-2) (GHz)

simulated

radiation efficiency

TM z 10

f10

13.65

15.31

8.46%

TM z 01

f01

25.735

25.51

0.94%

TM z 20

f20

27.306

29.59

30.71%

TM z 11

f11

29.133

28.57

0.56%

TM z 21

f21

37.522

42.85

23.94%

Figure 2-2(b), then 16.7% of the incident power is radiated, 0.4% is reflected, and
78.52% is transmitted through the transition. When two more vias are placed in x
direction as shown in Figure 2-2(d), then only 12% power of the incident power is
radiated, 0.3% is reflected, and 83.4% is transmitted through the transition.
The last step of the design process is to use equation (2-1) to set the value of dx.
As discussed, when the ratio of dx/h is smaller than 2, the bandwidth of the transition
might be deteriorated by the high reflection due to the mismatch between the CB-CPW
section and the rest of the transition. Under this circumstance, adjusting the distance of dy
accordingly varies the impedance of the CB-CPW section in order to improve the overall
bandwidth. The via spacing, dy, should be as small as possible and less than a half of the
guide wavelength at the upper frequency of interest to effectively suppress the parallel
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plate modes [35]. The distance of dy should also be chosen in order to place the vias at
the locations where the maximum E-field occurs.
2.3 Measurement Results and Discussion
A back-to-back transition with the vias located as shown in Figure 2-2 (d) was
fabricated and measured. The S-parameters were measured using an Agilent 8510C
network analyzer with multi-line TRL calibration. The comparison of the measured and
HFSS predicted results are shown in Figure 2-15. The measurements and simulation
results agree well for frequencies below 36 GHz in general. Figure 2-15 shows two
different sets of simulated results. The first set shows the original transition and the
second set is for a similar transition with a slightly wider gap spacing, or G1=0.105mm.
This value of G was determined by making dimensional measurements on the fabricated
boards. Figure 2-15 shows very good agreement between the simulated results with
G1=0.105 mm along the CPW and CB-CPW section and the measured S-parameters.
Higher order modes can propagate on a microstrip line when the product of the
substrate thickness and the frequency is greater than 3 GHz-cm [36]. For the 0.635 mm
thick substrate used in this work, the thickness-frequency product reaches 3 GHz-cm at
39.37 GHz. Line variations commonly observed on fabricated circuits can lower this
upper frequency range. The fabricated design shown in Figure 2-2(d) was simulated
using HFSS in order to investigate the presence of the higher order propagation along the
transition. Two modes, the dominant and the first higher order modes, were included in
the simulation. HFSS simulation did indicate that the first higher order mode indeed
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Figure 2-15 Comparison of Scattering Parameters from Simulation and
Measurement on Back-to-Back Transitions Using the Design Shown in Figure 2-2(d)
starts propagating at 36 GHz. The propagation constant of the first higher order mode at
frequencies below 40 GHz is very small compared to the propagation constant for the
dominant mode. A thinner substrate may extend the frequency range of the microstrip,
but the microstrip signal width must be reduced in order to ensure a good broadband
impedance match to the CB-CPW. In cases where the substrate thickness is fixed, then
decreasing the microstrip line width becomes the only choice to increase the cut-off
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frequency of higher order mode propagation [37]. A narrower microstrip line, however,
makes the extraction process more sensitive to line width variations.
2.4 Conclusion
In this chapter, a wideband CPW-to-microstrip transition with vias has been
proposed.

The correlation between the field structure along the transition and the

transition bandwidth is discussed. The impact of having field and impedance match on
the transition bandwidth is demonstrated though HFSS simulations. The most important
parameters that affect the transition bandwidth are analyzed in detail. The simulation and
measurement results verify that the fabricated back-to-back CPW-to-microstrip transition
can achieve 36 GHz bandwidth with insertion loss lower than 3 dB, return loss higher
than 10 dB, and a single dominant mode propagation. The measured and simulated
results on back-to-back transition show good agreement. The transition is used for
microstrip on-wafer measurement. The design procedure and principles presented in this
paper can be used to facilitate the process of designing a broadband CPW-to-microstrip
transition with vias.
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Chapter 3 BROADBAND MATERIAL CHARACTERIZATION USING
MICROSTRIP LINES

3.1 Introduction
The fabrication and measurement de-embedding processes on microstrip and
CPW transmission lines are repeatable and straightforward to implement. For nonisotropic materials often used in interconnects, it is the equivalent dielectric permittivity
ε´re of the substrate that dominates the propagation characteristics of the signal along the
transmission line [10], [38]. The equivalent permittivity accounts for directional effects
of the fields in the dielectric and is different than the effective permittivity of the
transmission line [38]. The equivalent dielectric permittivity of a non-isotropic substrate,
ε´re, is defined as a function of

′ = f (ε r′ , ε ′y )
ε re

(3-1)

where ε´r and ε´y are the directional permittivities of the substrate in the directions
transverse to the direction of propagation as shown in Figure 3-1. The values of ε´re
extracted from CPW measurements may differ from the values obtained from
measurements on microstrip since the field structure in CPW is different from that in
microstrip. This work focuses on extracting the material parameters for microstrip
transmission lines.
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included. The impact of the internal inductance of the microstrip line to the measured
effective permittivity is investigated for FR4 since these structures have a large metal
thickness to the substrate height ratio. The development of a dielectric permittivity model
that uses a non-Debye relaxation model is discussed in this chapter.
This work is significant since current electromagnetic (EM) simulation tools can
provide unprecedented accuracy. Reliable simulation results often depend upon the
accuracy and detail of the input model parameters. In order to maximize simulation
accuracy, one must be able to accurately characterize circuit materials using physicallyconsistent material models.
The measured propagation coefficients of various microstrip lines are presented in
Section 3.2. This section also discusses the mechanisms that result in the dispersion in
the effective permittivity of the microstrip lines. The extraction of the substrate dielectric
permittivity using appropriate closed-form equations for the microstrip lines are
presented in Section 3.3. Section 3.4 gives a detailed discussion about dielectric material
models and the technique used to curve-fit the extracted real part of dielectric permittivity
to acquire the frequency-dependent model parameters. The loss tangent is calculated once
the coefficients of the Debye model are determined. The extraction results for two
different type substrates are presented and discussed in Section 3.5. The extraction
uncertainty on Duriod 6010 is analyzed in Section 3.6. The conclusions are given in
Section 3.7.
3.2 Calculation of Effective Permittivity for Microstrip Lines
This work considers both Rogers Duriod 6010TM and FR4 materials. For Duriod
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6010, the manufacturer reports that the metal thickness is 0.017 mm, the substrate
thickness is 0.635 mm with ± 0.0254 mm tolerance. The manufacturer also reports that ε´r
ranges between 10.005 and 10.42 at 10 GHz, and the loss tangent is between 0.0024 and
0.0027 at 10 GHz. The conductor surface roughness for Duriod 6010 is 1.9 μm. For
FR4, the manufacturer reports that the metal thickness is 0.0254 mm, the substrate
thickness is 0.1524 mm, ε´r at 1 MHz, 1 GHz and 10 GHz are 4.4, 4.1, and 4 respectively,
and the loss tangent at 1 MHz is 0.023.
The complex propagation coefficients, γ, of microstrip lines on these materials
were measured using an Agilent Vector Network Analyzer (VNA) 8510C. The Multiline
TRL calibration method was used. Two 250 μm CPW probes were for measurements on
the Duriod 6010 samples while 500 μm CPW probes were used on the FR4 samples [40].
CPW-to-Microstrip transitions described in [41] are used on all of the Duriod 6010 lines.
The Duriod 6010 microstrip lines consist of a through line standard, two open standards,
and 6 additional (longer) lines. The FR4 microstrip lines consists of a through line
standard, two open standards and two additional (longer lines). The microstrip line
artifacts are shown in Figure 3-2. The geometry parameters are listed in Table 3-1. The
Duroid 6010 samples were characterized from 1 to 36 GHz. The FR4 samples were
characterized from 1 to 25 GHz.
Once the propagation coefficient of the microstrip lines are measured, the
effective permittivity of the microstrip line is calculated by Multiline TRL as
′ =
ε eff

β 2 −α 2
β 20

⎛ β
≈ ⎜⎜
⎝ β0

⎞
⎟⎟
⎠

2

(3-2)
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(a) Rogers Duroid 6010

(b) FR 4

Figure 3-2 Microstrip Line Artifacts
Table 3-1 Dimensions of the Microstrip Test Artifacts
Duriod 6010 Microstrip Artifacts
Name

Length (mm)

Width(mm)

Open

5.275

0.57

Through

10.55

0.57

Line 1

20.55

0.57

Line 2

14.63

0.57

Line 3

13.39

0.57

Line 4

13.16

0.57

Line 5

11.09

0.57

Line 6

11.42

0.57

FR4 Microstrip Artifacts
Name

Length

Width

Open

9

0.254

Through

18

0.254

Line 1

28.365

0.254

Line 2

21.455

0.254

β 0 = ω μ 0ε 0 =

ω
c

(3-3)
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Figure 3-3 Measured γ for Microstrip Lines
where c is the speed of the light. The measured complex propagation coefficients are
shown in Figure 3-3(a) and Figure 3-3(b). The calculated effective permittivity ε´eff
values for both materials are shown in Figure 3-4(a) and Figure 3-4(b).
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Figure 3-4 Measured ε´eff for Microstrip Lines
The concept of a transition frequency is discussed in [42]. The transition
frequency

is used to define the microstrip line characteristics over a low-frequency

(quasi-static) range of frequencies and a high-frequency (dispersive) range of
frequencies. The transition frequency, ftr, for microstrip lines is given as
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f tr = 0.95

Z 0 (ε r )

(3- 4)

h εr −1

where ftr, is in gigahertz, h is in millimeters and Z0(εr) is given as
Z 0 (ε r ) =

Z 0 (ε r = 1)

ε eff

(3-5)

The quantity Z0(εr =1) is the characteristic impedance of a microstrip line that is air-filled
and Z0(εr) is the characteristic impedance of the microstrip line in the quasi-static region.
In the dispersive range of frequencies, ε´eff increases with frequency due to further
concentration of the field inside the substrate. The transition frequency for the microstrip
fabricated on Duroid 6010 computed using (3-4) (using εr provided by the manufacturer)
is about 3.48 GHz. Figure 3-4a shows that the ε´eff of microstrip line on Duriod 6010
starts increasing with frequency at 2 GHz.
The computed transition frequency for the microstrip line fabricated on FR4 is
25.27 GHz. The microstrip line on FR4 operates in the quasi-static region for the
frequency range of interest. The ratio of the metal thickness to the substrate height for the
microstrip on FR4 is much larger than that for the microstrip on Duroid 6010. The ε´eff
computed for the FR4 includes the influence of the internal inductance. The work in [14]
eliminates the influence of the internal inductance of the microstrip line on the measured
ε´eff by using a modified form of equation (3-2). The propagation coefficient of a
transmission line γ can be written as [43]

γ = ( R + jωL)(G + jωC ) = j

ω
c

μ eff ε eff = jβ 0 μ eff ε eff = α + jβ

(3-6)

where, μeff and εeff are the effective permeability and permittivity of the transmission
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line, respectively. Consequentially,

μ eff =
and

ε eff =

R + jω ( Lext + Lint ) ⎛
L
≈ ⎜⎜1 + int
jω Lext
Lext
⎝

⎞
⎟⎟
⎠

G + jω C
′ − jε eff
′′
= ε eff
jω C 0

(3-7)

(3-8)

where Lext is the external inductance of the microstrip line, Lint is the internal inductance
of the microstrip line, and C0 is the capacitance of an air filled line with the same
geometry parameters as the fabricated microstrip line. At lower frequencies, R and Lint
become important so that μeff ≠1. Combining (3-6),(3-7) and (3-8) yields

Lint
L
RG 1 ω 2
′ −
′
)ε eff
≈ 2 (1 + int )ε eff
β − α = 2 (1 +
2
Lext
LC c
Lext
c
c
2

2

ω2

(3-9)

Therefore:

′ ≈
ε eff

β 2 −α 2
1
2
β 0 (1 + Lint )

(3-10)

Lext

To calculate the internal and external inductances of the microstrip line fabricated
on FR4, a HFSS model is created to simulate an air-filled microstrip line with the same
geometry as the fabricated one [32]. First, the total inductance of the air-filled microstrip
line with perfect conductors is calculated to obtain the external inductance of the
microstrip line. Then the total inductance of the air-filled line with finite conductivity
conductors is calculated to acquire the total inductance of the microstrip line. The internal
inductance of the microstrip line is then calculated by subtracting the external inductance
from the total inductance. Figure 3-5 shows the external and internal inductances of the
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Figure 3-5 External and Total Inductance for Microstrip on FR4

microstrip line calculated from HFSS simulation. The adjusted ε´eff using equation (3-10)
is plotted on Figure 3-4(b).
3.3 Dielectric Permittivity Extraction

Once ε´eff is determined, a closed-form equation that relates ε´eff to the real part
of the substrate complex permittivity ε´r is required. Experimental verification on various
closed-form microstrip dispersion relations show that the relations developed by
Kirsching and Jansen [44] have between 0.8%-3% difference between measurement and
theory over a wide frequency range and on a variety of substrate materials [45]-[46].
Kirsching and Jansen’s relations are given as
′ = ε r′ −
ε eff

ε r′ − ε eff (f = 0 )
1 + Pn(f n )

(3-11)

where
f n = ( f/GHz )* ( h/mm ) , u = ( w/h )

(3-12)
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Pn ( fn ) = P1P2[(0.1844+ P3P4 ) fn ]1.5763

(3-13)

P1 = 0.27488 + [0.6315 + 0.525 / (1 + 0.0157 f n )20 ]u − 0.065583 exp(−0.87513u )
(3-14)

P2 = 0.3362[1 − exp(−0.3442εr′ )]

(3-15)

f
P3 = 0.0363exp(−4.6u)[1 − exp(−( n )4.97 )]
38.7

(3-16)

P4 = 1 + 2.751[1 − exp(−εr′ / 15.916)8 ]

(3-17)

and εeff (f=0) is the effective permittivity at DC.
The work presented in [10] and [39] use the equations in (11)-(17) to solve for ε´r
given ε´eff . In the present research, a closed-form equation developed empirically by
Kobayashi after Kirsching and Jansen was also used to extract the ε´r of Duriod 6010
given ε´eff [47]. Kobayashi’s equation has been proven numerically that it can achieve
better than 0.6% accuracy for various microstrip lines for parameters where 0.1<w/h <
10, 1< ε´r < 128, and for any value of h/λ0 [38][47].
In the quasi-static region, the ε´eff only slightly depends on the frequency and can
be approximated using equations developed by Schneider and improved by Hammerstad
and Jensen and given as equation (3.166) in [38]

ε + 1 ε r − 1 ⎛ 12 h ⎞
′ = r
+
ε eff
⎜1 +
⎟
w ⎠
2
2 ⎝
where

−1 / 2

+ F (ε r , h ) − 0.217 (ε r - 1)

t
wh

(3-18)
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⎛ w⎞
F (ε r , h) = 0.02(ε r - 1)⎜1 - ⎟
⎝ h⎠

2

for u =

F (ε r , h) = 0 for u =

w
<1
h

w
>1
h

(3-19)
(3-20)

For Duriod 6010, the value of ε´r from 1 GHz to 1.8 GHz is calculated using
equation (3-18), since the microstrip operates in the quasi-static region over this
frequency range. The calculated ε´r at 1 GHz sets the upper limit of the extracted ε´r at
any frequency above 1 GHz. Equations of (3-11)-(3-17) are used to solve for ε´r at
frequencies above 2 GHz using the measured ε´eff. The value of ε´eff(f=0) used in (3-11)
was computed by creating a curve fit of the measured ε´eff data and then extrapolating to
obtain ε´eff (f=0). The extrapolated value ε´eff (f=0) is 6.8. An alternate approach is to use
the value of ε´eff at the lowest measured frequency for ε´eff (f=0). The accurate
measurement of ε´eff at low frequencies requires long line standards that are difficult to
fabricate uniformly. The extracted values of ε´r used the fabricated dimensions of the
microstrip lines. The extracted values of ε´r between 1.8 GHz and 2 GHz are obtained by
interpolating the values ε´r calculated between 1 and 1.8 GHz and the data calculated at 2
GHz and higher. The computed ε´r is shown in Figure 2-6 and is compared with the
extraction using Kobayashi’s method [47]. Kobayashi’s dispersion equation tends to give
higher ε´r than Kirsching and Jansen’s equation.
The microstrip line fabricated on FR4 operates in the quasi-static region. To
extract the ε´r given ε´eff , equation (18) is used. A bisection root finding algorithm is used
for compute the root for equation (18). The solid line in Figure 3-7 shows the extracted
ε´r. This figure also shows the results of a fitted model to be discussed in the next section.
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Figure 3-6 Comparison of an Extracted ε′r for Duriod 6010 Using
Kirsching and Kobayashi Dispersion Models
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Figure 3-7 Extracted and Model Fitted ε′r for FR4
(ε∞ = 3.62 τ1 = 1e-12 and τ2 = 4.2095e-7)
3.4 Dielectric Material Model and Loss Tangent Extraction Methods

The next step in the development of a physically-consistent frequency-dependent
material model is to determine the imaginary component of material permittivity. To
satisfy casualty, the complex permittivity of a dielectric material must satisfy [48]
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ε r′ (ω ) − ε ∞ − jε r′′ (ω ) =

∞ ε ′ (ω ′) − ε − jε ′′ (ω ′)
1
∞
r
PV ∫ r
dω ′
′
−
πi
ω
ω
−∞

(3-21)

Separating the real and imaginary parts of equation gives:

ε r′ (ω ) − ε ∞ = −

ε r′′ (ω ) =

1

π

1

π

∞

ε r′′ (ω ′)
dω ′
′
−
ω
ω
−∞

PV ∫

∞

ε r′ (ω ′) − ε ∞
dω ′
ω′ − ω
−∞

PV ∫

(3-22a)

(3-22b)

The integrals in (3-21) and (3-22) are Cauchy principal-value integrals. Equations (3-22)
are the Kramers-Kronig relations and state how the real and imaginary parts of εr(ω) are
interrelated. Once one part is known, the other part is completely determined by
causality. Equations (3-22) also state that ε˝r at one frequency is related to εr΄ for all
frequencies and vice versa. When the measurement is only taken within a limited
frequency range, the direct application of (3-22b) to calculate ε˝r(ω) becomes difficult.
For the dielectric materials commonly used in microwave circuit or high-speed
interconnects, the dominant mechanism of polarization is orientational within the
microwave frequency range. The orientational polarization can be described by the
dielectric relaxation. The dielectric relaxation is based on a fact that the build up or decay
of the electric polarization is not instantaneous when the field is applied or removed from
the dielectric material [48]. The Debye model is commonly used to describe the dielectric
relaxation with exponential characteristics. The single term Debye model is given as

ε r (ω ) = ε ∞ +

ε0 − ε∞
1 + jωτ

(3-23)

where ε0 denotes the static limit, ε∞ the infinite frequency limit, and τ the relaxation time.
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It is often found that the single term Debye model is insufficient to describe the
dielectric relaxation of materials with several different relaxation times or even a
continuous distribution of relaxation times. Hence, the Debye model must be extended
either by additional, phenomenological parameters or by a multi-term Debye-model
given as [48]
N

gn
n =1 1 + jωτ n

ε r (ω ) = ε ∞ + (ε 0 − ε ∞ ) ∑

(3-24)

where N denotes the number of relaxations, gn is the relaxation coefficient of the nth
relaxation, and τn is the relaxation time of the nth relaxation. The relaxation coefficients
are subject to the constraint
N

∑ gn = 1

n =1

gn > 0

and

(3-25)

The real and imaginary parts of equation (3-24) can be written as
N

ε r′ (ω ) = ε ∞ + (ε 0 − ε ∞ ) ∑

gn

n =1 1 + (ωτ n )

N

ε r′′ (ω ) = (ε 0 − ε ∞ ) ∑

2

ωτ n g n

n =1 1 + (ωτ n )

2

(3-26a)

(3-26b)

The parameters in equation (3-26a) are solved through optimization, and then are used to
solve for ε˝r(ω). Equation (3-26a) is nonlinear, and the objective function can have
several local minima, and thus a gradient optimization method is difficult to implement
and can be very sensitive to the starting guess values. An incorrect initial guess of the
relaxation times can create an ill-posed problem and result in no solution [49].
A global-optimization approach based on genetic algorithm is proposed to solve
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this problem as demonstrated in [49]. Genetic algorithms are optimization methods that
emulate the evolution process in nature, guided by a fitness criterion function [50]. The
genetic algorithm maximizes the fitness, which yields a minimal residual error. The value
N should be as small as possible so that it still gives the best fit [48] [49].
For Duriod 6010, N is chosen to be 8 after going through a few iterations. The
optimization process does not rely on an accurate starting guess, except for specifying
physical limits, such as ε0 ≥ ε∞ while ε0> 1 and ε∞>0. The relaxation times are assumed to
be greater than 1 GHz. An R-square expression was used as the overall fitness function
[49]. Consider εr΄(ωi) as the value obtained from converting the measured results of
ε´eff(ωi) at the ith frequency. In this work 401 frequency points were used. ⎯εr΄(ω) is the
mean value of εr΄(ωi), (i.e., a single number.) ε̃΄r(ω) is the calculated value computed
from (3-26a). The fitness, R2, is defined as
R2 =

SSR
SSE + SST

(3-27)

where
2

401
SSE = ∑ (ε~r′ (ωi ) − ε r′ (ωi ) )

(3-28a)

i =1

2

401

SSR = ∑ (ε~r′ (ωi ) − ε r′ (ω ) )
i =1
401

2

SST = ∑ (ε r′ (ωi ) − ε r′ (ω ) )
i =1

(3-28b)

(3-28c)

SSE indicates the summed square of the difference between the Debye fitted data and
extracted permittivity. Ideally, this would be zero. The value of SSR is the variance of the
Debye fitted data and the mean of the extracted permittivity, while the value of SST is the
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variance of the extracted permittivity. Ideally, SST and SSR would be equal to one
another. The optimal value of R2 is between 1 and 0.9. The R-square model measures
how successful the fit is to the variation of the data. The detail of R-square model is given
in App. I The goal of this work was to optimize (via the fitness function, R2,) the
correlation between the extracted and Debye model values for ε̃΄r(ω). The
implementation of the genetic optimization algorithm can be found in [51]. The genetic
algorithm provides several possible solutions that result in high fitness. Each possible
solution was evaluated using a microstrip line model in HFSS and simulated with the
predicted ε΄r and tanδ for each solution. The model solution that achieves the best
agreement between the measured and simulation propagation coefficient γ is chosen as
the final solution. The extracted εr΄(ω) of Duriod is compared to the prediction using a 8
term Debye model as shown in Figure 3-8. The relaxation frequencies and the weights for
the 8 term Debye model are listed in Table 3-2.
Figure 3-7 shows that the extracted εr΄(ω) of FR4 is linearly proportional to the
logarithm of the frequency, which means broad relaxation, or the relaxation is nonexponential/non-Debye relaxation. The dielectric relaxation in this case, can be expressed
as an infinite sum of relaxations of equation (3-24). This sum can be written in an integral
form as [48]
+∞ g (ln τ )

ε r (ω ) = ε ∞ + (ε 0 − ε ∞ ) ∫

− ∞ 1 + jωτ

d ln τ

(3-29)

where g(lnτ) is a distribution function which is always positive and whose integral is
normalized to 1 [48]. Table I in [52] given in App. II provides some expressions which
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Figure 3-8 Extracted and Model Fitted ε′r for Duriod 6010
Table 3-2 Relaxation Frequencies and Weights of Debye Model
for Duriod 6010

Relaxation
Frequency (Hz) 4.40E+9

5.22E+10

2.15E+12

1.23E+14

Weight

0.004702

0.005088

0.028087

0.037507

Frequency(Hz)

1.23E+15

1.33E+16

4.12E+17

5.91E+19

Weight

0.108642

0.276243

0.259759

0.279972

Relaxation

provide an empirical expression of the distribution function for a non-exponential/nonDebye relaxation. One distribution function is the Fröhlich distribution function given as

1
⎧
⎪ ⎛τ
g (lnτ ) = ⎨ ln⎜ 1 ⎞⎟
τ2 ⎠
⎪ ⎝
0
⎩

τ 2 < τ < τ1

(3-30)
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where are τ1 and τ2 are relaxation times to be determined. Substituting equation (3-30)
into equation (3-29) and carrying out the integration gives

ε r (ω ) = ε ∞ +

(ε 0 − ε ∞ ) ⎛ 1 + jωτ 1
ln⎜⎜
τ
1 + jωτ 2
⎛
⎞
1
ln⎜
⎟ ⎝
τ
2⎠
⎝

τ2 ⎞
⎟
τ 1 ⎟⎠

(3-31)

Further simplifying equation (3-31) gives

ε r (ω ) = ε ∞ +

⎛ 1 + jωτ1 τ 2 ⎞
(ε 0 − ε ∞ ) ⎡ 1 + jωτ1 τ 2 ⎤
(ε 0 − ε ∞ )
⎟⎟
ln ⎢
Arg⎜⎜
⎥+ j
⎝ 1 + jωτ 2 τ 1 ⎠
ln⎛⎜τ 1 ⎞⎟ ⎣ 1 + jωτ 2 τ 1 ⎦
ln⎛⎜τ 1 ⎞⎟
⎝ τ2 ⎠
⎝ τ2 ⎠

(3-32)

⎛ 1 + jωτ1 τ 2 ⎞
⎟
⎜
ln
where the principle branch of function ⎜ 1 + jωτ τ ⎟ is defined as -2π≤θ≤ 0. The real
2 1⎠
⎝
and imaginary part of equation (3-32) can be written as

ε r′ (ω ) = ε ∞ +

(ε 0 − ε ∞ ) ⎡ 1 + jωτ 1 τ 2 ⎤
ln ⎢
⎥
τ
⎛
⎞
1
⎣ 1 + jωτ 2 τ 1 ⎦
ln ⎜
⎟
⎝ τ2 ⎠

ε r′′ (ω ) =

⎛ 1 + jωτ 1
(ε 0 − ε ∞ )
Arg ⎜⎜
⎝ 1 + jωτ 2
ln⎛⎜τ 1 ⎞⎟
τ
2⎠
⎝

(3-33a)

τ2 ⎞
⎟
τ 1 ⎟⎠

(3-33b)

The model parameters in equation (3-33a) are determined using a genetic
algorithm approach to best fit the extracted εr΄(ω) of FR4 and are listed in Table 3-3. The
genetic algorithm solves for ε0, ε∞, τ1, and τ2 using the fitness in equation (3-28). The
extracted εr΄(ω) is compared to the model predicted εr΄(ω) as shown in Figure 3-7. To
demonstrate how well the model prediction would be at a given frequency such as 1
MHz, the model predicted εr΄(ω) is calculated within a frequency range of 1 MHz to 25
GHz.
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Table 3-3 Calculated Model Parameters in Equation (3-33a)

ε0

ε∞

τ1

τ2

4.46

3.63

4.21e-7

1e-12
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Figure 3-9 Model Predicted ε΄r and tanδ for Duriod 6010
3.5 Results and Discussions

Figure 3-8 compares the extracted ε΄r(ω) with the Debye modeled ε΄r(ω) for
Duriod 6010. Good agreement is reached between the model and extracted values.
Figure 3-9 shows the result of fitted ε΄r and loss tangent tan δ for a Debye model with 8
terms. The material property of Duriod 6010 property is documented in [53] [54]. The
Debye model value for ε΄r and loss tangent at 10 GHz is 10.42 and 0.0026 respectively.
The ε΄r and loss tangent provided by Rogers for the shipment used in this study are listed
in Table 3-4. The comparison is summarized in Table 3-4. An HFSS model of a
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Figure 3-10 Comparison on Measured and HFSS Simulated
γ for Duriod 6010

microstrip line on Duriod 6010 using the Debye permittivity model of the material was
used to compute the complex propagation coefficient γ. The simulated complex
propagation coefficient is compared to measurements. Figure 3-10 shows that there is
good agreement between the measurement and HFSS simulation. The microstrip line is
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Figure 3-11 Model Predicted ε΄r and tanδ for FR4
Table 3-4 Comparison of the Extracted Results to the Manufacturer
Specified Values

Duriod 6010
Frequency

ε΄r Specified

10 GHz

ε΄r
Extracted
10.005~10.42 10.42

tanδ
Specified
0.0024
~0.0027

tanδ
Extracted
0.0026

FR4
Frequency

ε΄r Specified

1 MHz
1GHz
10GHz

4.4
4.1
4

tanδ
Specified
0.023

tanδ
Extracted
0.0183

ε΄r
Extracted
4.398
4
3.84

simulated in HFSS with (Δ=1.9μm) and without (Δ=0.0μm) conductor surface roughness.
Figure 3-7 shows the extracted ε΄r (ω) in comparison with the modeled ε΄r(ω) for
FR4. The curve-fitting is in good agreement with the extraction. The difference between
the fitting and the extraction has a maximum value of 0.9% at 25 GHz. The predictions
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Figure 3-12 Comparison on Measured and HFSS Simulated γ for FR4

by the curve-fitted model for both ε΄r and tan δ are presented in Figure 3-11 within the
frequency range of 1 MHz to 25 GHz. The variation of ε΄r within the frequency range is
from 4.4 to 3.83 while tan δ varies from 0.0183 to 0.0256. The model predicted ε΄r and
tan δ for FR4 are compared in Table 3-4 as well. The specified ε΄r and tan δ are presented
in [55] and can be found in [9] and [12] as well. There is good agreement between the
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prediction and the specified values provided by the manufacturer. A microstrip line on
FR4 is modeled in HFSS using the predicted frequency dependent dielectric permittivity.
As shown in Figure 3-12, there is good agreement between the measured and simulated
attenuation coefficient α and phase coefficient β and hence validates the procedure as
discussed in this work.
3.6 Uncertainty Analysis on Extracted Dielectric Permittivity of Duriod 6010

In order to assess the accuracy of the method, a detailed uncertainty analysis for
the Duriod 6010 material was performed. This analysis was done on the Duroid 6010
samples since there was access to multiple samples for the appropriate cross sectioning
analysis.
The NIST “Reference on Constants, Units, and Uncertainty” [56], which is based
on the ISO Guide “Guide of Expression of Uncertainty in Measurement” was used. In
particular, a “Type B” evaluation of uncertainty was performed. The evaluation began
with identifying the key factors assumed to impact the uncertainty in the final model of
εr΄(ω).
Within the quasi-static region, according to equation (3-18), ε΄r is related to ε΄eff,
w/h, and t, where w is the width of the microstrip line, h is the substrate height, and t is
the metal thickness. In this region, the combined uncertainty of the extracted ε΄r can be
expressed as
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⎛ ∂ε r′
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Taking the partial derivative of both sides of equation (18) with respect to ε΄eff, gives
1
−
2
⎛
⎞
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(3-35)

Within the dispersive region, equations (3-11) to (3-17) show that ε΄r is directly
related to ε΄eff, ε΄eff (f=0), and w/h. The combined uncertainty of the real part of the
permittivity can be expressed as

⎛ ∂ε ′
u c2 (ε r′ ) = ⎜ r
⎜ ∂ε ′
⎝ eff

⎞ 2
⎛ ∂ε r′ ⎞ 2
⎟u c (ε eff
′ ) + ⎜⎜
⎟⎟u c ( w / h) +
⎟
⎝ ∂ ( w / h) ⎠
⎠

⎛ ∂ε ′ ∂ε r′ ⎞ 2
⎛
⎞ 2
∂ε r′
⎟u (ε ′ , w / h)
⎜
⎟u c (ε eff
′ ( f = 0)) + ⎜ r
⎜ ∂ε ′ ∂ ( w / h) ⎟ c eff
⎜ ∂ε ′ ( f = 0) ⎟
eff
eff
⎝
⎠
⎝
⎠

(3-36)

Taking the partial derivative of both sides of equation (3-11) with respect to ε´eff
gives
1=

∂ε r′
∂ε r′
1
∂
−
− ε r′
′
′ 1 + Pn ( f )
′
∂ε eff
∂ε eff
∂ε eff

′ ( f = 0)
+ ε eff
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⎛
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⎞
⎛
1
⎟⎟
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(3-37)

Since Pn(fn) is related to ε΄r and hence related to ε´eff, calculating

nontrivial. For the dispersive region,

′
′

is computed numerically using

′
′

is
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∂ε r′
Δε r′
=
′
′
∂ε eff
Δε eff

(3-38)

The first factor was to identify the standard uncertainty of the determination of the
effective permittivity from the measurements. With a small loss assumption, the overall
uncertainty of equation (3-2) can be approximated as:
⎛ ∂ε ′
′ ) ≈ ⎜⎜ eff
u c2 (ε eff
⎝ ∂β

⎞ 2
⎛ β
⎟⎟u c ( β ) = ⎜⎜ 2
⎠
⎝ β0

⎞ 2
⎟⎟u c ( β )
⎠

(3-39)

is the standard uncertainty of β. The results of five separate measurements

where
indicate

varies from 0.0083 to 0.39 over the entire measured frequency band. This

can be used to compute the maximum variation of ε´eff which is 0.0028 over the measured
frequency band.
Figure 3-13 shows the impact of the standard uncertainty of the computed ε´eff
over five measurements. The ordinate shows the first term used in equations (3-34) and
(3-36). Through physical measurements on the samples, it was found that the maximum
variation of substrate h on the fabricated structures is 2%. The maximum variation of w is
7%, and the maximum variation of conductor thickness is 3%. The nominal values of w,
h, and t were used in (3-35). The standard uncertainty of w/h is 0.01. The second and
third terms in parenthesis on the right hand side of (3-34) are computed numerically using
a form similar to (3-38). The second term in parenthesis on the right had side of (3-34) is
nearly frequency independent and has a value of 0.005. The third term in parenthesis in
(3-34) is 0.001.
The standard uncertainty of ε΄eff (f=0), is 0.0013 and it arises from the
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Figure 3-14 Impact of ε΄eff on the Standard Uncertainty of ε΄r

measurement uncertainty of ε΄eff. The third term of equation (3-36) can also be evaluated
numerically and is shown in Figure 3-14. It was found that the covariance terms in
equations (3-34) and (3-36) are an order of 1e-6, therefore their impact on the standard
uncertainty of ε΄r are negligible. The total standard uncertainty of ε΄r is shown in Figure
3-15 along with the extracted ε΄r. The standard uncertainty of extracted ε΄r varies from
0.0055 to 0.0061, The R-Squares values of the upper and lower boundary of extracted ε΄r
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with respect to the fitted model are 0.9739 and 0.88 respectively while the R- Square
value of the mean extracted ε΄r with respect to the fitted model is 0.9206 and hence the
fitting correlates well with the extracted ε΄r even with the extraction uncertainty. When a
straight line was used as the fit model, the R-Square value is negative, which indicates a
poor correlation with the measured data. Hence the straight line was excluded as a
potential solution. The predicted ε΄r varies 0.7% within the measured frequency band.
Work presented in [10] investigated the Rogers high frequency laminate material
RO3003 with specified dielectric permittivity of 3 and found that the ε΄r varies about
0.49% from 3 GHz to 17 GHz. The findings reported here are consistent with the work in
[10]. The comparison between the simulation and measurement on γ provides further
evaluation that the predicted dielectric permittivity and loss tangent by 8 term Debye
model is indeed a valid solution.
3.7 Conclusions

Closed-from dispersion equations are proposed to relate the measured effective
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permittivity to the real part of the substrate complex permittivity. The impact of the
internal inductance of the microstrip line on the measured effective permittivity is
discussed. The method of eliminating the internal inductance is demonstrated. The
material models for two different low loss dielectric materials are provided. The approach
to extract the dielectric permittivity from the measurement on microstrip line is proposed.
This work also shows that the method to extract complex permittivity depends upon the
frequency range of interest, whether or not the microstrip is operating in the quasi-static
or dispersion range of frequencies, and whether or not the extracted permittivity is best
fitted by a multi-term Debye model or a non-exponential/non-Debye material model. A
process to identify all of these factors was provided and demonstrated.
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Chapter 4 A TECHNIQUE OF GENERATING CAUSAL BROADBAND
MATERIAL MODELS FOR CPW TRANSMISSION LINES WITH ROUGH
CONDUCTORS

4.1 Introduction

Coplanar waveguide (CPW) has been widely used in microwave monolithic
integrated circuit (MIC) since it was originally proposed by C.P. Wen in 1969 [57]. The
cross section of the CPW on a dielectric substrate is illustrated in Figure 4-1. This
structure supports a quasi-TEM mode of propagation. The CPW offers several
advantages over conventional microstrip line. First, CPW facilitates the integration of the
transmission line in flip chip technology, especially at millimeter frequency range where
RF grounding must be close to the device. Second, it eliminates the need for via holes
and their associated parasitic source inductance. Third, it reduces radiation loss [58].
The modes that can be excited in CPW and their cut-off frequency, the attenuation
due to dielectric and radiation loss, the impedance, and propagation character of the
CPW, are all related to the substrate dielectric permittivity, which is typically frequency
dependent to ensure the causality. Materials such as PTFE with woven glass such as
RT/Duriod laminates are commonly used substrate materials in millimeter wave circuit
applications and they are anisotropic materials that tend to have higher εx than εy [38],
where εx is the permittivity parallel to the substrate while εy is the
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Figure 4-1 The Cross Section of CPW (t denotes the metal thickness)
w=0.12 mm, s=0.1 mm, t=17 μm, h=0.635±0.0254 mm

permittivity normal to the substrate. Consider that the permittivity of an anisotropic
medium can be represented as
0
0

(4-1)

For the purpose of modeling and simulating the permittivity, it can be equated into an
isotropic medium by introducing an equivalent dielectric permittivity defined as [38] [59]

ε re′ = ε ′x ε ′y

(4-2)

The dielectric permittivity provided by substrate vendors in the direction normal to the
substrate at a few discrete frequencies with maximum tolerance is insufficient to
accurately model the CPW in both the frequency and time domains. To fill the need,
several research efforts were conducted to characterize the substrate material of CPW by
measuring complex propagation coefficient γ of the CPW lines [15]-[17].
In [15]-[17], a quasi-TEM model developed in [60] is used to relate ε′re and the
loss tangent tanδe of the substrate to the capacitance and conductance per unit length of
the CPW. The approach proposed in the prior work attempts to separate the electrical
effects of the conductor from the dielectric substrate to increase the accuracy of the
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extracted ε′re and loss tangent tan δ. The quasi-TEM model in [60], however, assumes
that the skin effect is the only conductor loss mechanism. Surface roughness is often
intentionally introduced to increase the adhesion between the dielectric and conductor in
PCBs. The presence of conductor surface roughness changes the line resistance and
inductance per unit length, and hence it must be accounted for. The model developed in
[60] also assumes the substrate thickness is infinite, and is only valid given
2

2

(4-3)

where h is the substrate height, w is the center conductor width, and s is the gap width as
illustrated in Figure 4-1. In [17], the error caused by the inadequacy of the equations in
[60] pertaining to the resistance and inductance per unit length of CPW lines is discussed
and a modification is proposed and examined. The measurement results in [16] also
showed the sensitivity of the extracted tanδe of the substrate to the conductivity of the
conductor, which evidently proved that the prediction on resistance R and inductance L
per unit length might not be adequate to give accurate predictions of the conductance G
per unit length. Neither the work in [16] nor the one in [17] involves the influence of
conductor surface roughness.
At higher frequencies, the CPW line becomes dispersive because the electric field
density underneath the center conductor increases with frequency. However, the
capacitance per unit length of CPW given by [60] does not take the dispersion due to the
field confinement into account. In the dispersion frequency region, a different approach
than demonstrated in [15]-[17] must be taken in order to accurately extract the CPW
substrate equivalent permittivity and loss tangent. This chapter serves this purpose. In
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Section 4.2, the measurement methodology and result on propagation coefficient of the
CPW line are presented. The dispersion characteristics of the measured CPW line are
illustrated in Section 4.3. The methods of extracting the substrate equivalent permittivity
and loss tangent are discussed in Section 4.4. The extraction results and some discussions
about the results are given in Section 4.5. The conclusion is drawn in Section 4.6.
4.2 The Propagation Coefficient Measurement Methodology

CPW structures used to demonstrate the method are fabricated on RT Duriod
6010. The manufacturer specifies ε′r being between 10.005 and 10.42 and the loss tangent
ranging between 0.0024 and 0.0027 at 10 GHz [53]. The substrate thickness is
0.635±0.0254 mm and the conductor thickness is 17 μm. The geometry parameters of the
CPW line are shown in Figure 4-1.
The propagation coefficient γ, can be obtained by measurements of two identical lines
with different lengths. The lengths of the two CPW lines are 1.16 mm and 12.77 mm. A
pair of 250 μm GSG CPW probes is used for the measurement. The two-line method is
very useful since measuring multiple lines can be impractical when the space on the PCB
board is limited. Although uncorrected S-parameters may in principle be used to
determine γ of the transmission line [7], this approach may increase measurement
uncertainty due to various parameters internal to a VNA that are not appropriately
corrected [61]. In this work, the off-wafer calibration method LRRM (line, reflect,
reflect, match) calibration implemented in Wincal is used to calibrate the VNA to the
probe tips [40]. The measured insertion and return loss for the 1.16 mm and 12.77 mm
lines with LRRM calibration are shown in Figure 4-2 (a) and (b).
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Fiigure 4-3 Errror Modeliing in Two Line
L
Methood
The mismatch
m
bettween the caalibration arttifacts and thhe DUT is taaken into acccount
byy modeling
g the mismaatch as erroor boxes ass shown inn Figure 4-3. The com
mplex
prropagation coefficient of the CPW
W artifacts can be obttained in a similar waay as
im
mplemented in Multical and as dem
monstrated inn [7] and [9]]. The cascaade matrix of
o the
syystem and its inverse aree

TML
M i = TATLiTB

(4-4)

−1
TMLi
= TB−1TLi −1T A −1
M

(4-5)

w
where
TMLi is the cascadde matrix off the entire system, TA is the cascaade matrix of
o the
errror box at the
t port A, TB is the cascade matrix of the errorr box at port B, and TLi is
i the
coorrected cascade matrix for the hom
mogenous traansmission line.
l
The casscade matrixx of a
network is related to its S-parameter
S
matrix by equation
e
(4-66). The cascaade matrix of
o the
homogenous transmissionn line is given by equatiion (4-7) unnder an assum
mption of peerfect
m
match.
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T=

(

1 ⎡ S12 S 21 − S11S 22
⎢
S 21 ⎣
− S 22
⎡e −γl
T =⎢
⎣ 0

)

S11 ⎤
⎥
1⎦

(4-6)

0⎤
⎥
e γl ⎦

(4-7)

where γ and li are the complex propagation coefficient and the length of the transmission
line i. Combining equation (4-5) for the line with the length l1 with equation (4-5) for the
line with the length l2 gives
⎡e − γ (l1− l 2 )
−1
TML1 TML
= T ATL2 TL−1T A−1 = T A ⎢
2
1
0
⎢⎣

⎤ −1
⎥T A
e γ (l1 − l 2 ) ⎥⎦
0

(4-8)

Since equation (4-8) presents a similar transformation between TML1T-1ML2and TL1T-1L2,
hence
cosh[γ (l 2 − l 2 )] =

1
−1
trace(TML1 TML
)
2
2

(4-9)

Equation (4-9) can be used to solve for γ. The inversion of a hyperbolic function yields a
multi-valued complex function. To obtain a unique solution of propagation coefficient, β,
at each frequency, the imaginary part of the solution needs to be unwrapped by changing
absolute jumps greater than or equal to 2π to their 2π complement. The discontinuity in β
at each jump was observed even after the imaginary part of the solution was unwrapped.
To compensate the discontinuity in β, each section in the imaginary part of solution is
extended linearly to ensure the frequency overlapping with the adjacent sections. The
calculated complex propagation coefficient is normalized to the wave propagation
coefficient in the air β0 and is presented in Figure 4-4. Purpose of this normalization is
discussed in the next section.
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4.3 Dispersion Characteristics of the Measured CPW Line

The measured effective permittivity ε΄eff of the CPW is obtained by using equation
(4-10) and is shown in Figure 4-5. It is observed that 10.85 GHz is the transition
′ =
ε eff

β 2 −α 2
β 20

(4-10)

frequency which separates the quasi-static and dispersion regions. ε΄eff decreases with
frequency when the frequency is lower than 10.85 GHz and then starts increasing at a
frequency higher than 10.85 GHz. There are two basic mechanisms that can cause
dispersion in CPW lines at higher frequency. One mechanism is the higher electrical field
concentration below the conductor and another is the propagation of higher order modes
in the CPW.
CPW is conveniently considered as a pair of coupled slot lines with odd and even
normal modes. The odd mode of the coupled slot lines, also called CPW mode, has the
electric fields of opposing polarity in the two slots. The even mode of the coupled slot
lines has the electric field of the same polarity in the two slots. Those two modes can be
excited in the ways demonstrated in [62], [63]. Since balanced GSG CPW probes were
used in the measurement and there is no discontinuity along the measured CPW lines, it
was assumed that only CPW mode was excited in the measurements.
Surface wave modes can propagate along the back-plane of the substrate. The
presence of the surface wave, particularly the ones with zero cutoff frequency can cause
power loss as well as dispersion in the CPW mode [64], [65]. To gain clearer vision of
the dispersive behavior of the CPW, γ is normalized to the propagation coefficient of a
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wave in the air β0 as illustrated in Figure 4-4. It was observed that β/β0 starts increasing
with frequency when the operating frequency is higher than 10.85 GHz. The change of
β/β0 from 10.85 GHz to 40 GHz is 1.4%. Before 10.85 GHz, β/ β0 decreases with
frequency. No significant discontinuity of α/β0 was observed within the measured
frequency band and hence a conclusion can be drawn that the surface wave is not strong
enough to cause the significant disturbance in the CPW guided wave.
The dispersion of ε΄eff at lower frequency is caused by the skin effect. The volume
resistivity of ½ oz electrodeposited copper foil using Rogers’ laminate material is
1.82µΩ.cm. Up to 10.85 GHz, the skin depth is greater than 4% of the metal thickness, so
that for an operating frequency lower than 10.85 GHz the current and the electromagnetic
field can still penetrate inside the conductor. As demonstrated in Section 3.2, the
magnetic field components inside the conductor form an internal inductance that is added
to the external inductance of CPW and the reduction of internal inductance with the
operational frequency causes the decrease of ε΄eff at lower frequency. On the other hand,
the concentration of the electric field underneath the center conductor causes ε΄eff to
increase at a frequency higher than 10.85 GHz. In summary, the dispersive behavior of
ε΄eff is caused by skin effect at lower frequency and by electric field concentration in the
substrate at higher frequency.
4.4 Substrate Dielectric Permittivity and Loss Tangent Extraction

The work presented in [66] takes the ε΄eff dispersion of CPW due to both skin
effect and field confinement into consideration and develops an equation that relates the
ε΄eff and the substrate permittivity as
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⎡
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⎣
⎦

(4-11)

where fTE is the cutoff frequency of the substrate surface TE1 wave and is given as

f TE =

c
4h ε r′ − 1

(4-12)

c is the speed of light and h is the substrate height. The parameter a is related to the CPW
geometry as
q

log

(4-13a)

u = 0.54 − 0.64q + 0.015q 2

(4-13b)

v = 0.43 − 0.86q + 0.54q 2

(4-13c)

log

(4-13d)

The terms K(k1) and K(k2) are the complete elliptic integrals of the first kind with moduli
k1 and k2 which are given by
w
−δ
2
⎛w ⎞
δ + ⎜ + s⎟
⎝2
⎠

(4-14)

w
+ Δw
2
⎛w ⎞
⎜ + s ⎟ − Δw
⎝2
⎠

(4-15)
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where δ is the skin depth of the conductor, w is the width of the center strip, and s is the
gap width as illustrated in Figure 4-1. Δw is given as

∆

1

log

(4-16)

εqs is the effective permittivity of the CPW line at the quasi-static limit. The calculation
of εqs can be found in [25], [38]. In this work, equation (4-11) is used to extract the
dielectric permittivity of the CPW substrate from the measured ε΄eff. Since equation (411) is a nonlinear equation, a bisection root searching algorithm is used to back solve ε΄r
given ε΄eff.
The total attenuation of the CPW line can be written as
(4-17)
where αc represents the attenuation due to conductor loss, αd is the attenuation caused by
dielectric loss of the substrate, and αr is the attenuation due to radiation. The attenuation
caused by radiation of the CPW line proves to be small and can be neglected [64]. Then
the total attenuation becomes the sum of αc and αd.
The attenuation αc is given by [25] and [38] as
(4-18)
where Z0 is the characteristic impedance of the CPW line, Rc is the series resistance ohms
per unit length of the center conductor and Rg is the distributed series resistance in ohms
per unit length of the ground planes. The accuracy of closed form equations for αc is
presented on Table 8.2 of [25] and it is indicated that the estimation of conductor
attenuation given by [60] is the most accurate. Therefore Rc and Rg in this work are
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Figure 4-6 Surface Roughness Profile of ½ oz Electrodeposited Copper

calculated using the equations provided in [60].
Surface roughness introduces an additional conductor loss and it must be
accounted for appropriately in order to extract the dielectric substrate loss tangent more
accurately. A SEM picture is given in Figure 4-6 to illustrate the surface roughness
profile of ½ oz electrodeposited copper on Duriod [67] and the RMS roughness of the
conductor is 1.9 µm for the treated side and 0.4 µm for the untreated side of the
conductor.
The impact of surface roughness to the conductor loss caused attenuation is
roughness profile dependent [68]. The commonly used modification factor of conductor
loss due to surface roughness kw in simulation software is derived using a 2-D roughness
profile that can be represented as periodical grooves and is given as [69]

1

1.4

∆

(4-19)

Since the surface roughness of the conductor on Duriod 6010 has a periodic hexagonal
pyramidal profile [67] [70], the modification factor stated in equation (4-19) might
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overestimate the surface roughness impact on conductor attenuation at lower frequency
as demonstrated in [68].
The impact of surface roughness on conductor loss is also closely related to the current
distribution on the conductor. As illustrated in Figure 4-7, the current of the CPW line
intends to crowd towards the edge along the gap between the center and ground
conductors. The work presented in [71] also shows the similar current distribution
characteristics as demonstrated in Figure 4-7. The current concentration on the edge
along the gap is even more obvious for the ground planes and hence it can be postulated
that the impact of the surface roughness on the ground plane conductor loss might be
neglected. Since the current on the center conductor has the similar distribution on both
the top and bottom sides of the conductor, the current flowing on the top and bottom
surfaces of the center conductor has an average magnitude of
(4-20)
where αtop and αbottom are the attenuation coefficients for the current flowing on the top
and bottom surfaces of the center. Hence the attenuation modification factor kw for the
center conductor should be calculated using equation (4-20) for the first order
approximation as
ln

_

_

(4-21)
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Figure 4-7 The Surface Current Density Distribution in the Cross Section of
the CPW Line at 40 GHz
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Figure 4-8 Measured and Calculated Attenuations of the CPW Line

where kw_top and kw_buttom are the modification factors given by equation (4-19) with the
untreated side surface roughness and treated side surface roughness respectively. The
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calculated conductor attenuation including the impact of surface roughness is presented
in Figure 4-8.
Once the attenuation due to the dielectric loss is calculated, the equivalent loss
tangent tanδe of the substrate can be calculated as [25] [38]
́

(4-22)

where λ0 is the free space wavelength in meters, q is the filling factor given as
(4-23a)
The term K(k1) and K(k0) are the complete elliptic integrals of the first kind with moduli
k0 and k1 are given as

(4-23b)
(4-23c)

4.5 Extraction Results and Discussion

The calculated substrate equivalent permittivity and loss tangent are presented in
Figure 4-9. The extracted ε′re varies from 10.42 to 10.37 from 1 GHz to 40 GHz
comparing to the manufacturer measured value of 10.005~10.44 at 10 GHz in the
direction perpendicular to the substrate. The extracted tanδe is 0.0022 to 0.003 from 2
GHz to 40 GHz. The extracted tanδe has a value varying from 0.0055 to 0.0024 within a

frequency range of 1 GHz to 2 GHz. There are two reasons why the extracted tanδe have
unrealistic values within 1 GHz to 2 GHz frequency range. The first reason is that the
predicted conductor attenuation using equations given by [60] may underestimate the
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Figure 4-9 Extracted ε′re and tanδe

conductor attenuation at lower frequencies while the second reason is the measurement
error on attenuation at lower frequency. The accuracy of attenuation measurement at
lower frequency can only be accomplished with longer line lengths. The fast roll off of
extracted tanδe from 1 GHz to 2 GHz is caused by the fast rise of the modification factor
predicated by equation (4-19). As demonstrated in [68], the increasing of modification
factor at lower frequency is slower for the 3-D pyramidal surface roughness shape
comparing to the 2-D groove that is transverse to the current flow as used to derive
equation (4-19).
The extracted ε′re and tanδe using CPW lines are compared to the extracted ones
using microstrip lines in Figure 4-10. The extracted ε′re from CPW is 0.5% lower than the
extracted ones from microstrip but they are in a good agreement in general. The extracted
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tanδe from both CPW and microstrip lines are in a good agreement for frequencies higher
than 10 GHz. From 2 GHz to 10 GH, using CPW lines tends to predict tanδe 9% less than
using microstrip lines does.
4.6 Causality Verification

The causality of the extracted dielectric material parameters is critical to
accurately predict the transient response of a high-speed communication system. To
verify the causality of the extracted data, two models are created in HFSS to simulate the
S-Parameter of a 12.77 CPW line. The extracted ε′re and tanδe are used to specify the
frequency dependency of the substrate permittivity and loss tangent in one of the models.
In another model, ε′re and tanδe are assumed to be 10.2 and 0.0023 respectively and are
frequency independent. Transient simulations are setup in ADS as shown in Figure 4-11
with the CPW represented as an s2p element. The step sources are used for the transient
response. The rise time of the step sources are set to be 25 psec. The source and load
impedances are left mismatched in order to generate reflections.
For the line with frequency dependent material parameters, as shown in Figure 4-12, the
time delay of the line is 95.83 psec. The fourth transmission occurs at 386.7 psec at the
input port. The fourth transmission propagating through the line reaches the output port at
483.2 psec. The time difference of the fourth transmission seen at the input and output
port is 96.5 psec, which is greater than the time delay of the line. This verifies that the
transient simulation of the CPW line with the extracted frequency dependent ε′re and tanδe
satisfies the causality requirement for the line.
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Figure 4-11 Transient Simulation Setup
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Figure 4-12 Transient Simulation on 12.77 mm Line with Frequency
Dependent Material Parameters
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Figure 4-13 Transient Simulation on 12.77 mm Line with Frequency Independent
Material Parameters
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For the line with frequency independent material parameters, as shown in Figure
4-13, the time delay of the line is 96.23 psec. The fourth transmission occurs at 387.13
psec. The fourth transmission propagating through the line reaches the output port at
481.63 psec. The time difference of the fourth transmission seen at the input and output
port is 94.5 psec, which is less than the time delay of the line. This verifies that the
transient simulation of the CPW line with frequency independent ε′re and tanδe voilates
the causality requirement for the line.
4.7 Conclusions

A straightforward method using two CPW lines to extract the substrate dielectric
permittivity and loss tangent is proposed and illustrated. The impact of the surface
roughness on the conductor attenuation is investigated. The extraction results are
compared to the extraction results using microstrip lines.
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Chapter 5 AN ANALYSIS ON MEASUREMENT SENSITIVITY OF SHORTPULSE PROPAGATION TECHNIQUE USING A VIRTUAL TEST BENCH

5.1 Introduction

Loss in the signal channel is the principal signal-integrity problem with clocks
higher than 1 GHz, transported for distances longer than 10 inches, such as in high-speed
serial links and Gigabit ethernet. If the channel loss was frequency independent and each
frequency component in the signal was attenuated by the same amount, the signal would
uniformly decrease in amplitude, but the rise time of the signal would stay the same. The
effects of the attenuation could be compensated with some gain at the receiver. However,
the lossy channel in reality has a frequency dependent loss and behaves as a low pass
filter.
As a signal propagating along a real lossy channel, the amplitudes of the higher
frequency components are attenuated while the low frequency components stay almost
the same. Because of the frequency selectivity of the channel, the bandwidth of the signal
decreases and consequentially the rise time of the signal increases. If the rise time
degradation is small compared to the period of one bit, the bit pattern would be less
impacted by the previous bit.
However, if the rise time of the signal at the receiver end increases significantly,
the actual voltage level for a bit will depend on previous bit pattern. This is called ISI [1].
The equalization scheme typically implemented in a modern high-speed digital
communication system is to minimize the impact of the frequency dependent attenuation
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and hence to minimize the ISI of the channel. In addition to ISI, the attenuation of the
channel also causes the jitter amplification [72]. The ultimate consequence of ISI is to
increase the bit error rate. To accurately model the high-speed channel, knowing the
frequency dependent attenuation is important. Short-Pulse propagation technique (SPP)
is a time domain measurement method recommended by IPC to quantify the attenuation
of a transmission line [73].
5.2 Short-Pulse Propagation Technique

SPP is a time domain measurement technique that can be used to quantify the
complex propagation coefficient of the transmission line. SPP technique employs a short,
electrical pulse propagating along two identical transmission lines with different lengths,
l1 and l2. The short pulse is generated by differentiating the step-source of a sampling
oscilloscope. The transmitted pulses are detected and digitized. The measurement setup is
illustrated in Figure 5-1. SPP consists of two steps. The first step is to measurement the
pulse response of the short and long channels using a real time oscilloscope and records
the waveforms. The second step is to process the waveform with signal process software
called GammaZ. In GammaZ, a time window technique is applied to the pulses to
eliminate unwanted reflections from the measurement probes, the contact pads and vias,
and the cable connectors. A rectangular time window is used with a smooth transition to
the signal baseline steady-state level since the amplitude resolution is more essential than
the spectral resolution for this technique. Another reason why the rectangular window is
used is to achieve the winder bandwidth. Mathematically, the Fourier Transform of the
first derivative of a function is
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applied to inverse Fourier Transform. The smooth fˆ (k ) is, the fast f(x) decays. Using
rectangular time window mathematically creates a localized box function in time domain
in order to make its Fourier Transform in frequency domain smooth in an attempt of
achieving higher bandwidth in frequency domain.
In GammaZ, Fast Fourier Transform (FFT) is performed on the processed
waveforms to obtain the complex propagation coefficient using equation (5-1):
γ ( f ) = α ( f ) + jβ ( f ) =

⎛ A(f)⎞
1
Φ ( f ) − Φ2 ( f )
⎟+ j 1
ln⎜⎜ 1
l1 − l2 ⎝ A2 ( f ) ⎟⎠
l1 − l2

(5-3)

where α(f) and β(f) are the attenuation and phase constant of the transmission line. Ai(f)
and Φi(f) are the amplitude and the phase of the transforms corresponding to the lines
with lengths of l1 and l2 and l1>l2 [8].
5.3 Virtual Test Bench for SPP

Fabrication tolerances that are typically found during the manufacturing process
of production level circuit boards introduce differences between the designed and
fabricated hardware. These differences result in a deviation between the targeted and
actual performance. Such differences are apparent in the measured results on actual
hardware. The quantification of performance sensitivity to the circuit parameter variation
is an important step in defining the appropriate fabrication tolerances that can be allowed
during production. It can be prohibitive, in terms of cost and time, to build devices to
represent all the possible parameter variations caused by fabrication tolerances, and to
quantify the sensitivity of the measurement. A comprehensive sensitivity analysis is
impractical when there are many parameters that can vary. A virtual test bench, however,
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Figure 5-2 Cross Section of the Stripline

can be created to investigate the sensitivity of the measurement to the circuit parameter
variations with the help of accurate modeling and simulation techniques. The correlation
between the performance sensitivity and the parameter tolerances can be established
through this emulation process. When the modeling and simulation process mimics the
measurement methodology, then certain limitations of a given measurement methodology
can also be evaluated. Guidelines can then be developed on how to improve the accuracy
of the measurement. In addition, the design of the actual product device can be better
understood. This chapter applies the concept of the virtual test bench to investigate the
attenuation measurement sensitivity of the Short-Pulse Propagation (SPP) technique to
various stripline parameter variations.
In this chapter, the devices under test (DUT) are identical striplines with different
lengths. The cross section of the DUT is illustrated in Figure 5-2. The actual set-up of
the SPP technique is emulated using several modeling and simulation software tools as
illustrated in Figure 5-3. Two uniform striplines that are 2 and 8 cm long are considered.
The material is Megtron 6 [74] with εr of 3.41 at 1 MHz, tanδ of 0.011 at 50 GHz, and 1
oz copper. The design dimensions for the structure of Figure 5-2 are width of 4 mil, h1 =
h2 = 4.5 mil, and the designed Z0 at 100 GHz is 50.22 Ω.
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Figure 5-3 Short-Pulse Propagation Virtual Test Bench
5.2 Analysis Methodology

A list of parameters that can vary during production was created. The variation
for each parameter is specified to represent the tolerance found in actual manufacturing
of the DUT. The frequency dependent line parameters of the DUT under different
parameter variations, such as R(f), L(f), G(f), and C(f), can be calculated using a full-wave
field solver. This requires the determination of the broadband complex permittivity for
the insulator as well as the resistivity of the metal conductor in order to generate an
accurate and causal model for the DUT. A 2 dimensional (2D) field solver, such as the
IBM CZ2D, or a 3 dimensional (3D) field solver, such as the IBM EMSurf, could be
employed [75]. The information needed can be obtained using the technique described in
[8]. The frequency-dependent characteristic impedance and propagation constant of the
stripline are calculated with the field solver. The frequency-dependent RLGC per-unitlength parameters are obtained as well. In this work, the IBM CZ2D and EMSurf solvers
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were used. The attenuation in dB and characteristic impedance for a 70-cm long line were
tabulated.
A circuit model is created to emulate the physical SPP test set up. Equivalent
circuit models that use the frequency dependent line parameters computed from the field
solver for the stripline are employed in SPICE. The simulation model also includes a
model of the contact pad, the via, the connector, and the stripline. A time domain
simulation with a step source and open-ended lines is applied to monitor how the
different variations on the studied parameters alter the TDR (time-domain-reflected)
waveforms. A short pulse that is similar to the signal used in the actual instrumentation is
used for TDT (time-domain-transmission) simulations. The sampling time interval used
in the simulation is set to be 0.488 ps corresponding to an oscilloscope setting of 50
ps/div and 1024 sampling points. A time domain transient simulation is then conducted
with a circuit simulator such as PowerSpice [76]. The propagated pulses are then used in
the SPP signal processing step instead of the measured signals [77]. The collected
waveforms from the time domain simulation are transformed to the frequency domain
response using the FFT technique of [77]. The attenuation is calculated using equation (51) and is then compared with the results obtained through the field solver to analyze the
sensitivity of the SPP measurement to various parameter variations.
5.4 Analysis Results and Discussion

The purpose of this analysis is to investigate how SPP-predicted attenuation
varies when the stripline parameters change due to fabrication tolerances. Table 5-1
summarizes the results of this study. Table 5-1 lists the attenuation in dB at 3 GHz for a
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Table 5-1 Simulated Attenuation and Zo for 70-cm-long Stripline under
Various Parameter Variations
Min
Case Δh
(h +/-20%)
CZ2D α (dB)
SPP α(dB)
% Diff.
Z0(Ω)
Case Δh2
(h2 +/-20%)
CZ2D α (dB)
SPP α(dB)
% Diff.
Z0(Ω)
Case Δt
(t +/-10%)
CZ2D α (dB)
SPP α(dB)
% Diff.
Z0(Ω)

7.363
6.820
6.45%
55.3
Min
7.689
7.266
5%
52.61
Min
7.897
7.669
2.65%
49.66

Nominal

Max

7.985
7.866
1.38%
50.22
Nominal

8.908
8.875
0.38%
44.24
Max

50.22
Nominal

8.476
8.350
1.46%
46.99
Max

50.22

8.083
7.342
8.90%
50.81

Min
Case Δw
(w +/-20%)
CZ2D α (dB)
SPP α(dB)
% Diff.
Z0(Ω)
Case Δρ
(ρ +/- 5%)
CZ2D α (dB)
SPP α(dB)
% Diff.
Z0(Ω)
Case Δε
(εr +/-5%)
CZ2D α (dB)
SPP α(dB)
% Diff.
Z0(Ω)

7.810
7.609
2.35%
46.2
Min
7.842
7.592
2.93%
50.22
Min
7.783
7.722
0.7%
51.53

Nominal

Max

50.22
Nominal

8.225
8.029
2.29%
55.05
Max

50.22
Nominal

8.125
7.905
2.57%
50.22
Max

50.22

8.182
7.820
4.26%
49.01

70-cm long stripline and the Zo at 100 GHz. The results in the rows labeled CZ2D were
obtained directly from the field solver, while the rows labeled SPP were obtained by
implementing the virtual SPP test bench. The rows labeled % difference represent the
percentage difference between the attenuation (in nepers) for the 70-cm long stripline
predicted by SPP and CZ2D. Six different hardware factors were considered.

The

nominal value is a stripline with the design dimensions for Figure 5-2. In each case, the
factor of interest was varied between a maximum value and a minimum value. In Case
Δh, both insulator heights h1 and h2 were set to the nominal height and +/-20%. In Case
Δw, the width of the stripline conductor was set to the nominal width and +/-20%. In
Case Δh2, the insulator height h1 was set at its nominal value, while h2 set to its nominal
height and +/- 20%. In Case Δρ, the conductivity was set to its nominal value and +/-5%.
In Case Δt, the thickness of the stripline signal conductor was set to its nominal thickness
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Figure 5-4 Simulated TDR for l = 8 cm with Uniform Line

and +/-5%. In Case Δε, the relative permittivity was set to its nominal value +/-5%.
The results for case Δh show that the Z0 of the stripline can vary by +/-10% with
respect to the nominal case. This is the maximum Z0 tolerance allowed for typical
product printed-circuit-boards. Figure 5-4 shows the simulated TDR responses of the 8
cm uniform line for nominal Z0 and Z0 +/-10%. An increase in insulator height increases
Z0 and decreases the attenuation. To illustrate how the shape of the pulse changes because
of the impedance variations, the propagated pulses along the same lines are simulated and
compared to the ideal case as shown in Figure 5-5. CZ2D, or the actual hardware, would
vary the attenuation by 7.43% and 10.1% compared to the nominal case. SPP predicts
less attenuation. The difference between the SPP and the field solver predictions for a 70
cm long line is only 0.38% and 6.45% when the substrate height is nominal -20% and
nominal +20%, respectively. Figure 5-5 shows very small differences in the pulse shapes
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Figure 5-5 Propagated Pulse for l = 8 cm Z0 +/- 10%
with Uniform Line

that are fed as inputs to the SPP signal processing software.
The deviation of the stripline width (Case Δw) from its designed value also affects
the Z0 and attenuation. For a width range of nominal +/-20% Z0 ranges between 46.2 and
55.5 Ω. The difference between the attenuation predicted by SPP and CZ2D in this case
is less than 2.35%. Case Δh2 considers when h2 varies by +/- 20% while keeping h1
unchanged. The Z0 ranges between 46.99 and 52.61 Ω. The difference between the
attenuation obtained by SPP and CZ2D varies from 1.46% to 5%. For a +/-10% variation
in metal thickenss, t, Zo varies slightly from its nominal value and the difference in
attenuation computed by SPP and CZ2D ranges from

2.65% to 8.9%. A +/- 5%

difference in resistivity, Case Δρ, shows that Zo and attenuation are relatively unchanged.
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Figure 5-6 Simulated TDR for l = 8 cm ρ +/-5%

Figure 5-7 Propagated Pulse for l = 8 cm ρ +/5% with Uniform Lines

Figure 5-6 shows the TDR waveform and Figure 5-7 shows the propagated pulses for 8
cm long lines for the case with nominal and nominal +/- 5% in resistivity of the signal
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conductor. Even in this case, the SPP method is able to accurately distinguish the +/1.6% change in attenuation due to pulse dispersion with a very small error of 2.57% to
2.93%. When the dielectric constant varies by +/- 5%, Z0 varies by < 2.57% from its
nominal value, and the difference in attenuations predicted by SPP and CZ2D ranges
from 0.7 to 4.26%.
The effects of a non-uniform, Z0, along the length of the line was also considered.
The non-uniformity of the line can impact the accuracy of the attenuation by SPP. In
order to emulate these cases, four unique cases were considered. In the first two cases, A,
and B, the 8-cm lines were at nominal condition, while the 2 cm lines differed by -5%
and +5% in impedance (by adjusting h1 and h2), respectively. In the third case, C, the 2
cm line was kept at nominal condition, and the 8 cm line had four sections of 2-cm length
each, that had an alternating value of Zo at 45 Ω, then 55 Ω, then 45 Ω, etc. In the fourth
case, D, the 2-cm line was kept at the nominal value, while the alternating impedance of
the 8-cm line were 50 Ω, then 60 Ω, then 50 Ω, etc. The TDR and propagated pulses for
this line are shown in Figure 5-8 and 5-9, respectively. The SPP simulation used a
concatenation of 2-cm long transmission lines with the alternating pattern of line
impedance. The hardware is emulated with a 3D model using the EMSurf full-wave
solver [76] and the model is shown in Figure 5-10. The 3D field solver simulation using
EMSurf had 8-cm length and predicted 1.31664 dB attenuation which scales to 11.125
dB attenuation for a 70 cm long line. The difference between attenuation predicted by
SPP and EMSurf for the 70 cm long line is 12.3%. For cases A and B, this difference was
only 5.2% and 9.6%, respectively. These results indicate that the SPP technique should
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Figure 5-8 Simulated TDR for l = 8 cm with
Non-uniform Lines

Figure 5-9 Propagated Pulse for l =8 cm with
Non-uniform lines
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Figure 5-10 3-D Model of Non-Uniform Stripline in EMSurf

not be used with lines having more than +/- 10% non-uniformity in impedance along the
length. In addition, the two lines used, should not differ in Zo by more than 5% in order to
obtain the SPP predicted attenuation error to be under 10%.
5.5 Conclusions

A new concept in emulating the effect of hardware tolerances on the accuracy of
measurement data was shown with the use of the Short-Pulse Propagation technique. The
SPP technique is under-predicting the actual hardware attenuation by 0.4 to 8.9% but is
able to discern even +/- 1.6% changes in characteristics of the transmission lines. The
virtual test bench approach was also used to provide guidelines for the measurement
technique regarding its application to non-uniform interconnects. The implementation of
this concept was demonstrated through the analysis of the SPP-predicted attenuation
compared to modeled predictions for a wide range of representative parameter variations.
The concept and method proposed here are of general applicability to other
characterization techniques and can greatly improve the understanding of their strengths
and limitations.
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Chapter 6 CONCLUSIONS AND FUTURE WORK

6.1 Conclusions

The work presented in Chapter 2 described a method of designing a broadband
coplanar waveguide to microstrip transition with vias. Important issues related to design
a broadband transition were discussed in detail. The design procedures were summarized
and illustrated through full wave modeling. The simulation and measurement were
compared to verify the accuracy of the design method. The basic principles proposed in
this chapter can be easily applied to the design of CPW to other type of transmission line
transitions.
The results of Chapter 3-4 demonstrated that different planar transmission lines
can be used to measure the substrate material’s complex dielectric permittivity in its “as
packaged” configuration, and then causal mathematical models can be forged to capture
the relaxation behavior of the substrate materials. These two chapters illustrated that
relating the measurement quantities to the substrate material characteristics involves
thorough understanding of the dispersive behaviors of different transmission lines and
hence appropriately identifying the transition frequency above which the transmission
lines can no longer be modeled by quasi-static equations. Through detailed study and
illustration, those two chapters demonstrated when the dispersive behavior of the
transmission lines must be taken into consideration.
In Chapters 3-4, the impact of internal inductance on the measured effective
permittivity at lower frequency was examined. In addition, an appropriate method to

117

account for the influence of the internal inductance was put forth. Also those two
chapters pointed out that it is the equivalent permittivity which controls the propagations
along the microstrip and CPW line when the substrates are anisotropic. The measurement
taken on microstrip and CPW lines were compared in Chapter 4.
A mathematical error model was created to attempt quantifying the uncertainty of
the measurement methods in Chapter 3. The principle of creating the mathematical error
model can be generalized to other types of measurements.
A method of measuring transmission line attenuation using Short-Pulse
Propagation method was introduced in Chapter 5. An idea of virtual test bench was
proposed to estimate the error of the attenuation measurement introduced by the line
impedance variation resulted from the manufacturing tolerance. Various parameters that
impact the impedance of a stripline were identified. The impacts of the variations of those
parameters on the attenuation were illustrated and quantified through time domain and 2D frequency domain simulations. The approach discussed in this chapter provides a
method of quantifying the measurement uncertainty associated with the manufacture
tolerance.
6.2 Future Work

As discussed in Chapter 3, the dielectric permittivity of a material can be
measured either using waveguide cavity or resonator or transmission lines. The method
of measuring the dielectric permittivity using transmission lines is referred as
transmission line method. Similarly the method of using a waveguide cavity or resonator
is referred as the waveguide method. In this work, then transmission line method was
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used. While transmission line method allows the material to be used in its “as package”
configuration and facilitates the realization of a broadband measurement, the accuracy of
the measurements might not be as good as the waveguide cavity or resonator methods. It
may be desirable to combine both waveguide and planar transmission line methods to
achieve broadband measurements without sacrificing high accuracy. For instance, the
transmission line method can be employed to gain the general knowledge of dielectric
properties over a broadband while the waveguide method can be used to get an accurate
measurement of dielectric permittivity at discrete frequencies. So the accuracy of the
planar transmission line measurement method can be verified and compared.
Close form equations are used in this work to relate the measurable effective
permittivity of the transmission line to the dielectric permittivity of the substrate. Those
equations are well justified for the dielectric materials characteried in this work. They
may not be suitable for other materials. A numerical method should be developed to work
with 2-D field solver to solve the dielectric permittivity using the S-Parameter or
complex propagation measurements taken on the planar transmission lines.
Cross sectioning is needed to assess the surface roughness and non-uniformity of
the transmission lines in order to estimate the measurement uncertainty on the dielectric
permittivity. A measurement of resistance of transmission lines at low frequency or DC
will be helpful to quantify the conductivity of the copper and hence to estimate the skin
effect of the conductor that affects the complex propagation coefficient measurement at
low frequencies.
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Most material used in packaging and interconnects are anisotropic. Using the
transmission line method cannot fulfill the needs of measuring the tensor of the substrate
material. New techniques must be considered to quantify the anisotropy of the substrate
dielectric material. Possible methods available to measure the permittivity tensor are
summarized in [78]. While those methods might not be directly applicable to “as
packaged” measurement, the principles behind those methods should be studied for
possible extensions to “as package” measurements.
Many parameters in determining the transmission line characteristic impedance
can vary from their designed values due to fabrication tolerance. Those parameters can
vary independently or simultaneously. In Chapter 5, the study only considered the case of
having one parameter varying at time. To quantify the impact of various parameter
variations on predicted attenuation by SPP, a design of experiment (DOE) should be
considered. Then statistic of analysis should be employed to analyze the impact of
parameter variations on SPP predicted attenuation.
As addressed in [79], the size and location of the time window used by SPP have
a significant impact on both the bandwidth and the value of predicted attenuation. It is
necessary to study the optimized time window size and location to minimize the end
effects while keeping the signal unchanged after the windowing process.
It is assumed that the end effects of the short and long lines are the same.
Through the simulation, it was observed that multiple reflections occurred in the short
line while they were hardly observed in the long line. As a result, an assumption of those
two lines having same end effects no longer holds and an error will be introduced. The
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optimization on the short line length should be investigated to avoid the multiple
reflections in it while keeping the ratio of those two lines unchanged.
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APPENDIX I RESIDUAL ANALYSIS
Goodness-of-Fit Statistics
The goodness-of-fit can be evaluated in following ways:
•

The sum of squares due to error (SSE)

•

R-square

•

Adjusted R-square

•

Root mean squared error (RMSE)

Sum of Squares Due to Error

This statistic measures the total deviation of the response values from the fit to the
response values. It is also called the summed square of residuals and is usually labeled as
SSE.

∑

w y

y

(I-1)

where yi is the response and ŷi is the predicted value by the fitting. A value closer to 0
indicates that the model has a smaller random error component, and that the fit will be
more useful for prediction.
R-Square

This statistic measures how successful the fit is in explaining the variation of the
data. Put another way, R-square is the square of the correlation between the response
values and the predicted response values. It is also called the square of the multiple
correlation coefficients and the coefficient of multiple determinations.
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R-square is defined as the ratio of the sum of squares of the regression (SSR) and
the total sum of squares (SST). SSR is defined as

∑
where

w y

y

(I-2)

is the mean of the response. SST is also called the sum of squares about the

mean, and is defined as

∑

w y

y

(I-3)

where SST = SSR + SSE. Given these definitions, R-square is expressed as
SST

1

SSE
SST

(I-4)

R-square can take on any value between 0 and 1, with a value closer to 1 indicating that a
greater proportion of variance is accounted for by the model. For example, an R-square
value of 0.8234 means that the fit explains 82.34% of the total variation in the data about
the average.
If you increase the number of fitted coefficients in your model, R-square will
increase although the fit may not improve in a practical sense. To avoid this situation,
you should use the degrees of freedom adjusted R-square statistic described below. Note
that it is possible to get a negative R-square for equations that do not contain a constant
term. Because R-square is defined as the proportion of variance explained by the fit, if
the fit is actually worse than just fitting a horizontal line then R-square is negative. In this
case, R-square cannot be interpreted as the square of a correlation. Such situations
indicate that a constant term should be added to the model.
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Degrees of Freedom Adjusted R-Square

This statistic uses the R-square statistic defined above, and adjusts it based on the
residual degrees of freedom. The residual degrees of freedom is defined as the number of
response values n minus the number of fitted coefficients m estimated from the response
values.
(I-5)
v indicates the number of independent pieces of information involving the n data points
that are required to calculate the sum of squares. Note that if parameters are bounded and
one or more of the estimates are at their bounds, then those estimates are regarded as
fixed. The degree of freedom is increased by the number of such parameters.
The adjusted R-square statistic is generally the best indicator of the fit quality
when you compare two models that are nested — that is, a series of models each of which
adds additional coefficients to the previous model.

1

SSE
SST

(I-6)

The adjusted R-square statistic can take on any value less than or equal to 1, with a value
closer to 1 indicating a better fit. Negative values can occur when the model contains
terms that do not help to predict the response.
Root Mean Squared Error

This statistic is also known as the fit standard error and the standard error of the
regression. It is an estimate of the standard deviation of the random component in the
data, and is defined as
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√

(I-7)

where MSE is the mean square error or the residual mean square
(I-8)
Just as with SSE, an MSE value closer to 0 indicates a fit that is more useful for
prediction.

126

APPENDIX II LOGARITHM MOMENTS OF RELAXATION TIME
DISTRIBUTIONS
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