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ABSTRACT 

 

         The development of modern digital communication systems has been entered a new 

era with faster signal transmission and processing capability, called high-speed circuit 

systems. As their clock frequencies have increased and rise times of signals have 

decreased, the signal integrity of interconnects in the packaging and printed circuit boards 

plays a more and more important role. In high-speed circuit systems, the well-designed 

logic functions most likely will not work well if their interconnects are not taken into 

account.  

         This dissertation addresses to profoundly understand the signal integrity knowledge, 

be proficient in calculation, simulation and measurements, and be capable of solving 

related signal integrity problems.  The research mainly emphasizes on three aspects. First 

of all, the impact of on-wafer calibration methods on the measured results of coplanar 

waveguide circuits is comprehensively investigated, with their measurement repeatability 

and accuracy. Furthermore, a method is presented to characterize the physically-

consistent broadband material properties for both rigid and flexible dielectric materials. 

Last but not least, a hybrid method for efficient modeling of three dimensional via 

structures is developed, in order to simplify the traditional 3D full-length via simulations 

and dramatically reduce the via build and simulation time and complexity.  
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CHAPTER 1    INTRODUCTION  

 

1.1 What is signal integrity? 

         Nearly two decades ago, IC package and printed circuit board design was a field 

that consists of logic design, CAD, heat dissipation, mechanical engineering and the 

analysis of reliability. The main design challenges were how to route all the signal path 

and how to package them so that no cracks happened during assembly. The electrical 

properties of the interconnects were not important because they did not affect system 

performance. The interconnects were treated to be transparent to the signals. 

Interconnects include the entire electrical pathway from die of transmitter to die of 

receiver. Fig. 1.1 shows a signal pathway from chip A to chip B, the interconnects include 

all the vias, BGA balls and transmission lines in packages and mother board. 

         However, clock frequencies have increased and rise times of signals have decreased. 

For most electronic products, signal integrity effects begin to be important at clock 

frequencies above about 100MHz or rise times shorter than about 1 nsec[1].  In this 

"high-speed" circuit world, the packaging and interconnect are no longer electrically 

 

Fig. 1. 1 Interconnects from chip A to chip B 
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transparent to the signals. Fig. 1.2 shows a insertion loss of  2 inch microstrip 

interconnect  terminated with 50 Ý at both ends. The interconnect is designed to be 50 Ý 

with the trace width of 50 mil on 25mil thick FR4. Loss tangent is 0.003 at 1GHz. The 

trace width can vary as much as 20% depending upon the fabrication variation. The 

figure shows the insertion loss of designed 50 mil wide trace and fabricated trace with 20% 

reduction due to the over-etching. The ringing in the figure indicates the impedance 

mismatch. The signal can not be transmitted distortion-free with the required timing 

through this interconnect. 

        Signal integrity refers to all the problems that arise in high-speed products due to the 

interconnects. These problems are mainly caused by impedance mismatch, unwanted 

reflection,  losses, delay, cross talk, electromagnetic interference (EMI) of the 

interconnects. It says that there are two kinds of systems in the world, those with signal 

integrity problems already and those that will have them, which indicates how significant  

 

Fig. 1. 2 The effect of interconnect width change 
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it is to take care of the signal integrity problems. Based on [2], the overall performance, 

cost, size, and functionally of a system in package (SiP) will be limited by both on-chip 

interconnects of the individual microchips as well as by off-chip interconnects. 

1.2 Transmission line 

         When the delay of the interconnect is comparable to the rise or fall time of the 

signal, this interconnect should be treated as transmission line. A transmission line has a 

conductor to transmit the signal, another conductor nearby to be the return path, as shown 

in Fig. 1.3. A transmission line usually is modeled in circuit as a distributed-parameter 

network, where voltages and currents can vary in magnitude and phase over its length. 

The classic second order transmission line model with infinitesimal length ȹz is shown in 

Fig. 1.4.  

 

 

Fig. 1. 3 Transmission line 



17 

 

 

 

Fig. 1. 4 Classic transmission line circuit model 

 

          Where, R(unit: ɋ/m) and L (unit: H/m) are series resistance and inductance per unit 

length for both conductors.  C (unit: F/m) and G (S/m) are shunt capacitance and 

conductance per unit length.  The series resistance R represents the conductor loss of the 

transmission line, which increases with frequency due to the skin effect. The shunt 

conductance G also increases with frequency because of the dielectric material loss. The 

series inductance L represents the total self-inductance of the two conductors, it will 

decrease with frequency since the reduced internal inductance. The shunt capacitance C is 

due to the close proximity of the two conductors, will decrease with frequency since the 

relative permittivity of the dielectric materials reduces with frequency.  

          Based on Kirchhoff's voltage and current law, Fig. 1.4 leads to the following 

equations: 
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Equations (1.2) telegrapher equations can be derived from equations (1.1) by dividing by 
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ȹz and taking the limit as ȹzŸ0. 
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In frequency domain, for the sinusoidal steady-state condition, with cosine-based phase, 

equations (1.2) are simplified to  
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for traveling waves, where ))(( CjGLjRj wwbag ++=+= is the complex 

propagation factor. The characteristic impedance of the transmission line Z0 is defined as  

CjG

LjR
Z

w

w

+

+
=0

                                                                                            (1.5) 

In general, these RLCG are frequency dependent. 

           There are three well defined and commonly used transmission lines on printed 

circuit boards: coplanar waveguide (CPW), microstrip and stripline, since their planar 

and compact configurations, not like bulk waveguide and other structures, are compatible 

with printed circuit board fabrication process. CPW has one signal trace and two ground 

on either side, the trace and the two grounds are on the same layer. Some fields of CPW 

are confined in the substrate, while some fields are exposed in the air. Microstrip has one 
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trace on top of substrate and ground on the bottom. The stripline has signal trace in the 

middle of dielectrics between two grounds.  The cross section of these three transmission 

lines are shown in Fig. 1.5. Within them, stripline is the only one that can support TEM 

mode, while the mode propagated in CPW and microstrip are the combination of TE and 

TM modes. Due to the small fields in the wave propagation direction, they can be treated 

as quasi-TEM mode. 

1.3  Solving signal integrity problems 

Analysis and numerical simulation 

       There are three ways to solve signal integrity problems: Analysis, simulation and 

measurement. Analysis is referred to as calculation, such as rules of thumb, analytic 

approximations. Rules of thumb and analytic approximations can quickly give an 

approximate answer, which may not be very accurate. But sometimes an ok answer now 

is better than an accurate answer later.  When accuracy is important or the rules of thumb 

and analytic approximations are not available, the numerical simulation is used to provide 

an accurate results.  The quality of the simulation is only as good as the quality of the 

electrical description of the components. That is why the accurate broadband physically 

consistent dielectric material characterization is important. It provides accurate relative 

permittivity and loss tangent for the use of the high speed circuit interconnect modeling. 

More details about the material characterization will be discussed in Section 1.4.        
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Fig. 1. 5 Three typical transmission lines from left to right: CPW, microstrip and stripline 

 

Measurement   

       Measurement is another method solving the signal integrity problems. When the 

prototype is fabricated, the only way to verify its performance is by measuring. The 

correlation between the analysis and the measurement provide the confidence of the 

circuits or system performance. The often used measurement instruments in signal 

integrity include: vector network analyzer (VNA), time domain reflectometer (TDR) and 

oscilloscope. For on-wafer measurement, probe station and probes are essential devices. 

For bit error rate and jitter measurement, J-BERT is usually used. The figures for these 

instruments are shown in Fig. 1.6.    

VNA Calibration  

         A network analyzer is used to measure scattering parameters (S parameters) of 

device under tests (DUT) as ratios of complex voltages. The configuration of DUT 

measurement by using two port VNA is shown in Fig. 1.7. The network analyzer usually 

has two or four channels, designed to process the magnitude and phase of the transmitted 

and reflected waves from DUT. During the measurement, the RF source is set to sweep 

over a specified bandwidth. A two or four port reflectometer samples the incident, 

reflected and transmitted waves. The ratio of their magnitude and phase is calculated and 



21 

 

 

displayed on the VNA. 

 

(a)                                                     (b) 

 

(c)                                                    (d)          

Fig. 1. 6 Measurement instruments (a) Probe station and VNA  (b)TDR (c)Oscilloscope (d) J-BERT 

 

 

 

Fig. 1. 7 VNA measurement configuration 
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       The reference plane of the measurement is usually set at somewhere inside the VNA 

by default, so that the losses, phase delays and other errors caused by the connectors, 

cables, and even the components within the VNA (such as directional coupler mismatch, 

imperfect directivity etc.) are included in the measurement. In order to obtain accurate S 

parameter measurements of the DUT, these errors must be removed. The way to 

characterize and remove them from the measurement is called calibration. Take a two 

port VNA for example, the errors mentioned above are lumped together in a two port 

error box placed at each port between the actual measurement reference plane and the 

desired reference plane for the two port DUT, as shown in Fig. 1.8.  

        The error parameters T11, T12, T21 and T22 can be calculated by measuring several 

well-known calibration standards, connected between the two reference planes for DUT. 

These standards are such as Open, Short, Match, or well-designed Lines etc.  Depend on 

the different assumption, there are different error terms in different calibration methods, 

which requires different accuracy for the calibration standards. SOLT (Short, Open, Load 

and Thru)[3], TRL (Thru, Reflected and Line)[4], LRM (Line, Reflect and Match)[5]and 

the LRRM(Line, Reflect, Reflect and Match)[6] are commonly used calibration methods. 
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Fig. 1. 8 Block diagram of a VNA calibration 
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Their name come from the aberrations of the calibration standards used in the calibration.   

On-wafer Calibration  

       Coaxial calibration standards are preferred to use in the calibration, when the DUTs 

are easy to interface with coax. Since it is relatively simply to not only make the 

connections between the DUTs and VNA cables, but also check if they are connected 

well. However, in high speed system the DUTs are usually with planar interfaces such as 

BGA pads, CPW or microstrip etc. A transition is needed to provide field and impedance 

match from coax to these planar interfaces. Even if engineers spend numerous hours in 

the design of such transitions, the transition bandwidth is generally less than 20GHz. 

Some can achieve 30GHz or up with extreme hard work. On-wafer probing is a solution 

to measure such DUTs with its commercially availability, easy interface with planar 

structures and wide bandwidth up to 110GHz. 

            To make an on-wafer calibration, a probe station, probes and planar calibration 

standards are needed beside the VNA. Fig. 1.9 shows the devices used in this dissertation. 

The probe station has a chuck that can firmly attach the calibration standards and DUTs, 

several positioners that hold probes and can move horizontally along x-axis, y-axis, 

rotation and vertically along z-axis, and a microscope to make sure a clear view during 

the measurement. The probes we used is ACP50G-GSG-250[7] with bandwidth up to 

50GHz. ACP represents air coplanar probe, GSG is the probe footprint with ground-

signal-ground probe tips. 250 means the adjacent pitch distance 250ɛm. The planar 

calibration standards called Impedance Standard Substrate (ISS)[7] is commercially 

available. 
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        (a) Cascade Summit 9000 probe station             (b) ACP 250 probe 

                                                  

                                                             (c) ISS 

Fig. 1. 9 Cascade Summit 9000 probe station, ACP 250 probe and ISS 

          

      Before on-wafer calibration, three things needs to be checked : 1. The planarization of 

the probe tips. 2. Alignment of the ISS with probe tips. 3. Capability of the probe landing 

on ISS or DUTs  when positioner arms are fully down. The probe tip itself is planarized 

by the manufacture with high precision. However, during the measurement it may still be 

necessary to adjust the positioner arm to fit the probe tip plane to the plane of the ISS or 

DUTs. In order to protect ISS and DUTs, an idle print circuit board is put on the chuck of 

the probe station to check the probe tip planarization. Observe from the microscope to 

make sure the probe landing on the metal of the board. Then raise the probe and adjust 

the planarization knob on the positioner to ensure that the marks left by each probe tips 
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have the same size and depth, as shown in Fig. 1.10. The ISS and DUTs on chuck are 

aligned with the probe tips by rotating the chuck, in order to make each probe tip has a 

good contact with DUTs during the measurement. If the capability of the probe landing 

on the ISS or DUTs is not tested the first time, one may need to do all these three checks 

again when it turns out that the arms of positioners have to be adjusted or changed to 

make contact. 

           The ACP probes by design are used with a nominal 60ɛm overtravel (downward 

movement after initial touchdown), which results in around 25 ɛm skate (forward 

movement resulting from overtravel) on the ISS or DUTs, as shown in Fig. 1.11. 

Sometimes, up to 250 ɛm of overtravel can be allowed to contact on extremely non-

planar surfaces without damaging the tips, although it may reduce probe life.   

 

Fig. 1. 10 Probe tip planarization check[7] 

 

Fig. 1. 11 From left: Probe in the air, Probe at initial touchdown and Probe skate[7] 
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          The SOLT, TRL, LRM and LRRM can still be utilized for on-wafer calibration. 

Before making measurements, we need to decide which calibration method we will use, 

what the impacts is in the measurements using different calibration methods,  their 

effective bandwidth, repeatability and accuracy. Chapter 2 will discuss more details about 

this. 

1.4 Challenges in signal integrity 

          The primary duty of an signal integrity engineer is to reliably transmit signals 

through interconnect from the die of transmitter to the die of receiver, and maintain signal 

integrity. The main challenges include: impedance discontinuity, termination, material 

dispersion and via modeling. 

1.4.1 Impedance discontinuity 

         The interconnect is treated as transmission line. The signal only see its adjacent 

characteristic impedance during the transmission. Any impedance discontinuity along the 

interconnect will cause signal reflection. As a signal transmits from region 1 with 

characteristic impedance Z1 to the impedance Z2 in the second region. If Z1ÍZ2, some of 

the signal will be reflected back. The reflection coefficient ɟ is given by: 

12

12

ZZ

ZZ

V

V

incident

reflected

+

-
==r                                                             (1.6) 

        Z1 and Z2 are usually complex values. Fig. 1.12 shows the voltage at the interface of 

transmission line 1 (TL1) and 2 (TL2), when a 1 volt step signal is transmitted from TL1 
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to TL2. The characteristic impedance of the TL1 is 50 Ý. When TL2 is 100 Ý, the received 

signal is higher than the original signal, which is called overshoot. While it is lower than 

the original signal when TL2 is 10 Ý, it is called undershoot. To keep the signal integrity 

along the transmission line is trying to eliminate this overshoot and undershoot.  That is 

why the controlled impedance technology and point-to-point topology (Point-to-point 

topology refers to one driver drives one receiver) are applied in high speed circuits to 

keep the constant width of the interconnects. 

1.4.2 Termination 

         In real systems, the driver is designed to have small output impedance (such as 10 

Ý, it is even assumed to be zero in some instances) to maximize its driving capability,  

and the receiver is intended to have big  input impedance (Ð Ý). While the interconnect 

used to connect driver and receiver is often 50 Ý. The connection from driver to receiver 

is shown in Fig. 1.13. 

          If there is no termination, as a 1 volt step signal is launched from the driver to the 

transmission line, it propagates along the transmission line and hit receiver. Since the 

input impedance of the receiver is Ð, the signal has to be reflected. The reflection 

coefficient 1
50

50
=

+¤

-¤
=r ,   which means a 1 volt step signal is heading back to the 

driver. When this reflected signal arrives the driver, it sees another discontinuity, the 

1
500

500
-=

+

-
=r , and will bounce back to receiver again. This reflected signal will 

bounce back and force between the driver and receiver until it is exhausted by the loss of 
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the transmission line, as shown in Fig. 1.14. 

 

(a) The connection

 

(b) Voltage at interface of TL1 and TL2 

Fig. 1. 12 Reflection along the impedance mismatched transmission line 

 

 

Fig. 1. 13 model for the connection from driver to receiver 
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Fig. 1. 14 The voltage at the receiver 

 

1.4.3 Cross talk 

       Cross talk refers to the transfer of an unwanted signal from one net to an adjacent 

net[1]. Net includes both the signal and return path. As a signal propagates down a 

transmission line, there are electric-fields lines and magnetic-fields lines whether 

between or around the signal and return path conductors. These fields spread out into the 

surrounding volume. If another net is routed in this surrounding region, it will pick up the 

noise from the first net when the signal voltage and current on the first net change. The 

mutual capacitors and inductors are used to describe this coupling in circuit models. In 

order to suppress cross talk, these mutual capacitors and inductors needs to be minimized.  

        The cross talk between two adjacent transmission lines can be measured as shown in 

Fig. 1.15.  The characteristic impedance of two transmission lines TL1 and TL2 is 50 Ý. A 

signal is launched on one end of TL1, with the far end terminated to 50 Ý. We refer  
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Fig. 1. 15 Cross talk measurement configuration 

 

TL1 as aggressor. The voltage noise can be measured on both end of TL2, which are 

terminated by 50 Ý separately to eliminate the effect of reflection. TL2 is referred to be 

victim. The near end is defined to be in the backward direction to the signal propagation.  

The noise measured at near end is called near-end cross talk (NEXT). The far end is in 

the forward direction to the signal propagation direction. The noise measured at far end is 

called far-end cross talk (FEXT). 

        Noise margin is the noise level that the signal can tolerant.  When the noise level is 

above this margin, the channel may not work functionally. The NEXT and FEXT 

measurement can be used to accurately estimate the noise level.   

1.4.4 Material Dispersion 

         As the signal is transmitted from one point to another point, its amplitude will 

always be attenuated along the interconnect. This attenuation is not uniform for all 

frequencies due to the dispersive loss in the substrate and conductor.  The signal is 
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attenuated more at high frequencies than at the low frequencies.  Fig. 1.16 shows the 

measured insertion loss of a 12 inch microstrip differential channel on Megtron6. 

         The loss of the interconnect need to be accurately calculated and compensated in 

some applications, such as SerDes for series links. The old design methodology of 

building prototypes, hoping they work, and then testing them to find out is no longer cost 

effective when time to market is as important as cost and performance. Nowadays, 

advanced EDA tools is needed to accurately modeling and predict the performance of the 

design before fabricating the prototypes. 

          When simulating the high-speed interconnect models in EDA tools, the broadband 

physical consistent frequency-dependant relative permittivity and loss tangent are the 

most important parameters for the substrate of the interconnects. Broadband is usually 

used to describe a signal when its spectrum spreads from DC or low frequency to multi-

GHz range. Corresponding to broadband, narrow band depicts the signal with tens or  

 

Fig. 1. 16 Measured insertion loss of a 12 inch microstrip differential channel on Megtron6 
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hundreds of MHz bandwidth. The dielectric permittivity usually provided by the 

manufacturer as a single value with a tolerance at a specific frequency point. Besides, the 

value is not measured as "as packaged" substrate. The inappropriate constant assumption 

for a broadband frequency range violates the causality, and will yield non-causal results.  

          The way that quickly characterizing "as-packaged" dielectric materials, and 

integrate them into EDA tools will not only validate the high speed interconnect 

modeling, but also save the time and cost for new product development. Chapter 3 

emphasizes on this method to characterize both rigid and flexible dielectric materials. 

1.4.5 Via Modeling 

         Vertical Interconnect Access (Via), as shown in Fig. 1.1, is commonly used in 

printed circuit boards and packages to provide vertical electrical connection between the 

conductors of different layers. The density requirement and the increased functions 

makes the via a significant structure on printed circuit boards. In high-speed 

interconnects, vias play an increasingly important role,  and can even be the bottleneck of 

the entire interconnect performances.   

          There are through vias, blind vias and buried vias, shown in Fig. 1.17. Some high 

density multilayer printed circuit boards may need to use a smaller version of vias known 

as microvias. Through vias connects the top circuitry of the printed circuit board to the 

bottom circuitry or any layer(s) in between. Both sides of the through vias are visible on 

the board surfaces. Blind vias allow connections be made from an external layer to an 

internal layer with minimum via height. They are exposed only on one side of the printed 
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circuit boards. As shown in Fig. 1.17, the blind via connects from layer 1 to layer 3. 

Buried vias connect various internal layers without being exposed on either surface side. 

Fig. 1.17 shows the buried via connects from layer 3 and layer 4.   

          Considering the high price of the blind and buried vias, through vias are widely 

used in industry to realize the vertical electrical connection and reduce the product cost. 

However, as the data rate increase into multi-Gbps, an open stub in a multilayer printed 

circuit boards acts as a quarter-wave length transformer to transfer the open stub to a 

short at the junction of the signal path and the stub. The cavity resonances from the power 

and ground planes attached to the stub are involved in this quarter-wave length effects[8]. 

When resonances and reflections are excited, it can severely degrade the signals and 

produce signal integrity issues. Fig. 1.18 shows a measured insertion loss of one 

differential serial link channel without via backdrilling. A resonance at 9GHz is observed. 

When the signal includes components higher than 9GHz, it will be seriously distorted. 

The more detailed discussion about the open stub are in [9] and [10]. Decreasing via stub 

length by back drilling through vias is an effective and low cost way to eliminate the 

effect of this impedance mismatch. Hence, the vias in this dissertation are all back drilled. 

 

Fig. 1. 17 PCB side view, from left to right: through via, blind via, buried via and  

backdrilled through via  
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Fig. 1. 18 The measured insertion loss of one differential channel without via backdrilling 

 

      At slow signal speeds the via is often treated as if it has no affect on the signal. 

Engineers only need to extract capacitances and inductances based on quasi-static 

assumption. In high speed circuits, the affects of via is remarkable in signal integrity. 

These affects include impedance mismatch, creation of stubs, discontinuity of the return 

path and electromagnetic interference (EMI). More accurate via modeling is required at 

high data rates, since the overall signal performance at high frequency components is 

needed.   

        The traditional way of via modeling is to perform the 3D full-wave simulation with 

full -length vias for each interested case. It is tedious and error-prone to create via models 

for an integrated packaging structure with many vias. A hybrid method for efficient 

modeling of 3D via structures is developed in Chapter 4 to simplify the via model 

creation and simulation and save the product development period and time.   

         In this dissertation, the efforts primarily focus on investigating the on-wafer 



35 

 

 

measurements, extracting the properties of frequency-dependant low-loss materials and 

effectively modeling three dimensional vias, in order to solve their contributions to 

interconnect problems such as dispersion, impedance discontinuity and cross talk in high-

speed printed circuit boards.      

1.5 Research Exploration and Dissertation Outline 

        As stated above, the signal integrity analysis is indispensible to the design of modern 

high speed digital communications. In this dissertation, I comprehensively explored the 

following research areas during the PhD study in University of Arizona, addressing the 

signal integrity problems due to PCB substrate dispersivity and complexity of via 

modeling.    

1. developed a method to comprehensively evaluate the impacts of on-wafer 

calibrations on the broadband (up to 40GHz) circuit measurements. Acquirement 

of the fundamentals of broadband measurement technique and its applications is 

an important skill to properly characterize the circuits under test in high-speed 

electronics industry. The measurement repeatability and accuracy comparison on 

diverse CPW circuits in this work was considered to be practical interest and a 

good reference to engineers in signal integrity and RF fields (from the published 

paper reviewers). Besides, the results of this work was used to support the 

material characterization on the measurement methodology.  

2. Presented a method to characterize the relative permittivity and corresponding 

loss tangent of low-loss dispersive materials over a broad frequency band, based 
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on CPW and conductor backed coplanar waveguide (CB-CPW). The method 

integrates modeling, simulation and measurement, and was proved to work well 

on both rigid and flexible substrates. It provided a way to obtain the causal 

frequency-dependent permittivity of materials within a short time, and eliminate 

the non-causal phenomenon in broadband interconnect simulation. The method 

can be extensively applied in signal integrity and related areas.   

3. Proposed a hybrid method of effectively modeling three dimensional vias. It was 

verified to implement on via insertion loss and crosstalk simulations up to 20GHz, 

and dramatically simplified the via modeling complexity and save simulation time. 

The method was believed to be valuable in the electronics industry to accelerate 

product development period and save the cost.          

        The dissertation is illustrated in a sequential manner, and each chapter is subdivided 

into sections or subsections for clearly identifying the discussed topic. In this chapter, the 

background of signal integrity is first introduced. Its importance in high speed systems 

and the three basic tools to solve the signal integrity problems are discussed afterwards. 

The main challenges in signal integrity are categorized and the ones solved in this 

dissertation are addressed. The remaining chapters in this dissertation are organized as 

follows. 

         Chapter 2 compares four commonly-used on-wafer calibration methods including 

Multiline TRL, LRRM, LRM, and SOLT, for three diverse coplanar waveguide circuits. 

The magnitudes and phases of S11 and S21 of the CPW circuits are compared to quantify 

how the specific calibration method influences measured scattering parameters. Special 
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care is taken to ensure that the measured scattering parameters are normalized to the same 

reference impedance and reference plane for accurate comparison. The measured results 

are compared with full-wave simulations to provide additional assessment of accuracy. A 

method to de-embed the discontinuity of the CPW at the probe tip and the CPW of the 

test structures is presented. The effect of probe-to-DUT discontinuity is effectively 

modeled by one- or two- section of shunt capacitor and series inductor. The results show 

that the Multiline TRL calibration method provides the highest transmission coefficient 

repeatability on not well-matched circuits and highest accuracy on the three used circuits 

in this paper up to 40GHz. 

          Chapter 3 presents a method to extract the complex permittivity and loss tangent of 

the dielectric materials over a broad frequency band, based on the CPW and CB-CPW 

lines. The effective frequency range is from 1 GHz to 40 GHz. On-wafer co-planar 

waveguide measurement techniques are employed to obtain the real part of the effective 

dielectric permittivity, which is mapped to the corresponding real part of relative 

permittivity by a closed-form dispersion formula. The imaginary part of the relative 

dielectric permittivity is solved from the Debye model equation. The loss tangent is 

calculated afterward. This method is designed to produce accurate broadband dielectric 

material model for signal integrity. 

          In Chapter 4, a cascade method to simplify the traditional 3D full-length via 

simulations on the mid-planes is developed. The full-length via model is split into small 

basic parts. The final simulation results consist of the cascade of the scattering parameters 

on the order of these parts. Based on these basic parts, more via simulations can be 
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obtained only by cascading them in different way, instead of creating more brand new 

full -length models and taking a long time waiting for the simulation results. The method 

is easy to be implemented to other via modeling with similar multilayer stackups, and 

dramatically reduce the via build and simulation time and complexity. The simulation 

accuracy is compared to traditional 3D full-wave full-length via simulation in HFSS.  

         Conclusions and future work are summarized in Chapter 5.  
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CHAPTER 2    THE IMPA CT OF ON-WAFER CALIBRATION   

METHOD ON THE MEASUR ED RESULTS OF COPLANAR 

WAVEGUIDE CIRCUITS     

 

2.1 Introduction 

The high frequency performance of high-speed digital and wireless circuits has 

attracted increased attention. High frequency modeling and simulation tools can be used 

to rapidly develop new circuit structures, yet the models must often be verified by 

comparison to broadband measurements. On-wafer measurements of coplanar waveguide 

structures are widely used since they can easily interface with probe stations. This 

eliminates the need for connectorized test structures. The important factors to consider 

include which calibration method to use, how to fabricate the necessary calibration 

artifacts, and the impact that the calibration method may have on the measurement results. 

The increase in clock speeds and the push to higher frequencies of operation mean that 

many of the calibration approaches typically used at lower frequencies must be re-

evaluated. The verification of accurate high frequency design and analysis tools mean 

that the measured results on the test structures must also be very accurate at increasingly 

higher frequencies. In this chapter the differences in the results and the implementation of 

some commonly-used calibration methods are compared. The repeatability is assessed 

and the results of the measurements of several different types of CPW circuits are 

compared to full-wave simulations. 

The calibrations are based on different error models and may have significant effects 
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on the measurement accuracy and repeatability. Multiline TRL (ML-TRL), LRRM, LRM, 

and SOLT are the most widely-used on-wafer calibration methods [11]. The ML-TRL 

calibration artifacts and the DUT typically reside on the same substrate. This dramatically 

reduces errors due to differences of the substrate materials or CPW dimensions between 

the calibration standards and DUT. The standards used for LRRM, LRM, and SOLT are 

realized on a commercially-available impedance standard substrate. There may be 

differences between the CPW dimensions and materials of the ISS (for calibration) and 

the DUT (for measurement) that affect the measurement results at high frequency [12]. 

 Previously reported calibration comparison techniques primarily focus on the error 

bound of the worst-case measurements [12, 13]. Some other comparison techniques [14] 

are based on measurements of different verification standards, such as open-stubs and a 

straight line standard. This chapter presents a new approach that provides guidance and 

insight into the impact of calibrations on measured results. The impact of the calibration 

method is applied to specific CPW circuit structures used by design engineers. The 

investigation includes a diverse set of CPW structures that include a straight transmission 

line, a stepped impedance line, and a bandpass filter. These structures exhibit diverse 

responses, such as low reflection (for the line), and a narrow filter response. In this work, 

the average and standard deviation of the measured S-parameters are compared. This 

chapter compares the impact of the measured results obtained from the different 

calibrations to full-wave simulations. The simulations are used to provide another 

assessment of measurement accuracy.  The discussion is intended to be broad and to 

relate to engineers who must compare measured results with simulations. Some of the 
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previous work on this subject have focused primarily on the measurements and relate to 

those generally familiar with the techniques and terminology. Before the comparisons are 

conducted, all of the scattering parameters are normalized so that the measured results are 

referenced to the same port impedance and reference plane. This is an important point to 

consider, since some calibrations approaches are referenced to a 50 Ý termination and 

some are not. An accurate comparison of accuracy and to simulated results requires that 

they all be normalized to the same reference impedance and plane. The current work is 

inspired by the interest in the work discussed in [15]. The work in [15] compared ML-

TRL, SOLT, and LRM calibrations up to 20 GHz. The comparison was done with the 

ML-TRL results normalized to the characteristic impedance of the DUT, while all of the 

LRM and SOLT results are normalized to 50 Ýs.  In this new work, the calibration 

comparisons are revisited with some significant changes. LRRM is now included, full-

wave simulations are included, the results are compared up to 40GHz, and all of the 

results are normalized to the same reference plane and impedance. Our previous work [16] 

discussed the comparisons based on reflection coefficients only. In this chapter, the 

magnitude and phase for both reflection and transmission coefficients are compared.  

Section 2.2 provides a brief review of the different calibration methods used in this 

work. Section 2.3 describes the various CPW test structures, the fabrication of these 

structures, and the associated calibration standards. Section 2.4 discusses the approach 

used to compare the impact of the choice of calibration on the measured CPW test 

structures. The results are presented in Section 2.5. Section 2.6 models the effect of the 

probe-to-DUT transition discontinuity. Section 2.7 provides some conclusions. 
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2.2 Overview of On-Wafer CPW Calibration Methods 

This section provides a brief overview of the typical on-wafer calibration methods. It 

also provides some guidelines on the fabrication of the calibration artifacts. Note that the 

designator, L, in the different abbreviated names for the calibration methods has different 

meanings. The designator, L, means ñloadò as in 50 Ý, for SOLT, yet means ñlineò as in a 

straight section of transmission line for most of the other calibration methods to be 

addressed. It is also important to note that the typical reference impedance for which the 

measured results are normalized is 50 Ý. This is not mandatory, but if the reference 

impedance of the DUT is not the same as the reference impedance of the calibration 

standards, then normalized S-parameters is measured. In many methods, the calibration 

artifacts and the DUT can be fabricated on the same test coupon. This is the most 

desirable case, since small fabrication process variations may result in line over or under 

etching. This may result in line impedance values that vary slightly from a nominal 50 Ý 

value. One challenge in making accurate and repeatable calibrations over a large 

frequency range is the availability of a broadband 50 Ý impedance load standard. There 

is wide availability of calibration substrates such as the impedance standard substrate 

(ISS). The ISS contains many of the calibration standards needed for the calibration 

methods discussed here. One challenge in using the ISS to perform the calibrations is that 

the cross section (in terms of both material thickness and CPW conductor trace widths) 

for the ISS may be different for the fabricated DUT. This creates a small probe-pitch 

discontinuity that is not accounted for when the calibration and the calibration check is 

done entirely on the ISS.  
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2.2.1 SOLT 

SOLT (Short-Open-Load-Thru) uses four CPW line standards: an open circuited line, 

a short circuited line, a load with characteristic impedance Zo=50 Ý, and a straight thru 

50 Ý CPW line. SOLT has been the most widely used calibration standard for coaxial 

based measurements up to 26 GHz. It is not suggested for use with CPW structures for 

frequencies above 1 GHz since it is quite difficult to fabricate ideal open and short 

circuited line standards in CPW above 1 GHz.  

2.2.2 TRL 

TRL (Thru-Reflect-Line) [4] uses three distinct calibration artifacts. These include a 

thru standard; a non-ideal reflect standard that has a large reflection coefficient (that may 

be slightly less than one); and an ideal or known line standard. In this work, a short 

circuited CPW line is used as the reflect standard. The characteristic impedance of the 

line and thru standards must be identical to one another and the insertion phases of these 

two standards must be different from one another. TRL is popular for use at frequencies 

above 1 GHz since only the line standard must be well characterized. At low frequencies, 

the calibration line standard becomes increasing longer. CPW transmission lines are 

dispersive and have a frequency-dependent characteristic impedance. It is important to 

determine the port impedance of the CPW lines when de-embedding measured S-

parameters. The reflect standard can be used on both ports.  The insertion phase of the 

line standard and the thru standards must be different from one another. They should 

ideally differ by 90º at the center frequency of interest. This occurs at only one frequency, 
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so to extend the usable frequency range of measurements acquired using this calibration 

method, the phase difference is relaxed. The frequency range of applicability for TRL is 

when insertion phase of the line and thru standards is between 20º and 160º. This range of 

phases ensures that the difference in the lengths of the two standards is not a multiple of 

ɚ/2. An additional line standard can be used, yet there will be a discontinuity in the 

calibration. This occurs when the calibration switches from using one line/thru pair to the 

second line/thru air. This must be avoided at specific measurement frequencies of interest 

for the DUT.  

2.2.3 ML-TRL  

        ML-TRL (Multi -Line Thru-Reflect-Line) is an extension to TRL. ML-TRL uses 

multiple line standards.ML-TRL is ideal for measurements over a very large frequency 

band. In TRL, the user must divide the measurement frequency range into smaller 

frequency bands in order to avoid inaccuracies (indeterminacy) when the length 

difference of the line/thru pairs is multiples of ɚ/2. ML-TRL uses multiple thru/line pairs 

throughout the entire measurement frequency range and avoids the discontinuities 

observed in TRL. In this way, ML-TRL extends the measurement bandwidth obtainable 

with a single calibration procedure. The measurement of multiple lines also allows ML-

TRL to solve for the propagation factor. This allows convenient shifting of the 

measurement reference planes.  Several line standards are needed for wideband 

measurements [12]. 

Multi -line TRL is generally known to have improved accuracy compared to LRM 
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and SOLT, improved bandwidth (using one calibration) over TRL, and allows the 

reference planes of the measured results to be conveniently shifted. ML-TRL requires 

several different line standards to be fabricated. This may include long line standards if 

very low frequencies (below 1GHz) are to be considered. All of the ML-TRL calibrations 

line standards should be fabricated on the same substrate as the DUT structures. This may 

impose certain layout limitations in the case where long calibration lines must be 

accommodated. It is important to note that the measured scattering parameters obtained 

after either a TRL or ML-TRL calibration are normalized to the characteristic impedance 

of the CPW lines used for the thru and line standards. This may or may not be precisely 

50 Ý. Experience shows that although one may layout the lines for fabrication in order to 

yield 50 Ý lines, fabrication variations may actually result in CPW lines with slightly 

lower or slightly higher characteristic impedance than 50 Ý. This does not necessarily 

pose a problem when all the calibration artifacts are fabricated on the same test coupon. It 

does require renormalization when the desired reference impedance for comparison is 50 

Ý. 

2.2.4 LRM 

LRM (Line-reflect-match) calibration uses a line standard, a reflect standard, and a 

match standard. The original version of LRM required the match standard to be 50 Ý, or 

the same as the port impedance. The method now allows match standards to have a 

frequency-dependent impedance. This allows a much broader band calibration when the 

load is well-characterized apriori. LRM is most typically employed with the 50 Ý match 
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standard because of the extra processing complexity needed to reliably fabricate a 

prescribed frequency-dependent match standard. LRM is a modification of TRL where 

the TRL line standard is replaced by a known match standard. The impedance of the 

match standard is the only artifact that needs to be completely characterized with this 

approach. The reference plane after an LRM calibration is always set at the center of the 

line standard. LRM does not allow for convenient re-shifting of the reference plane since 

the propagation factor is not determined in this method. LRM is a good approach for 

measurements at low frequencies, since long line standards do not need to be fabricated. 

LRM uses the same set of standards as SOLT, yet only one reflect (typically the open) is 

used in LRM. LRM only requires that the match standard be well-characterized. The 

bandwidth obtained by LRM is greater than that of TRL.  

2.5 LRRM 

LRRM (Line-reflect-reflect-match) calibration uses a line standard, two reflect 

standards, and a match standard. It is a variation of LRM, but in this case, two reflect 

standards (an open circuited CPW line and a short circuited CPW line) are used. 

Compared with LRM, there are several advantages of LRRM. First, since LRRM only 

measures one match standard at one port, the inconsistencies in the LRM calibration due 

to the small discrepancies in resistance of the two match standards or the misalignment of 

the two ports will be avoided. Secondly, both the open and short are used as reflect 

standards in LRRM, since they are the most widely separated on the Smith chart. In some 

commercial measurement software, the inductance of the load in LRRM can be 
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automatically calculated and corrected during the calibration, which results in more 

accurate results. The calibration standards needed in each calibration and the standards 

substrates used in this chapter are listed in Table 2.1. 

One important factor to consider when comparing different calibration methods is the 

definition of the reference impedance and the reference planes. The reference impedance 

in ML-TRL is the characteristic impedance of the line standards Zo, which may not be 50 

Ý and the reference plane, is at the center of the thru standard on the DUT. The reference 

impedance for LRRM, LRM, and SOLT is set by impedance of the match standard, 

which typically equals 50 Ý, while the reference plane is set at the probe tips. In this 

work, the results obtained by ML-TRL are also renormalized to a 50 Ý reference 

impedance and the reference planes are shifted so that they are at the same location as the 

LRRM, LRM, and SOLT results. Once this is done, then the accuracy and repeatability of 

the different methods are compared. 

2.3 Benchmark Structures 

Fig. 2.1 shows the fabricated DUT board and ISS from Cascade Microtech [7]. 

LRRM, LRM and SOLT use the same set of standards on the 625µm thick ISS. The DUT 

board on alumina substrate (Ůr=9.8) consists of calibration standards for ML-TRL and 

DUTs. Scattering parameter results obtained from network analyzer measurements 

assume that only a single mode propagates on the transmission line. To ensure this is the 

case, the propagating modes on the CPW lines were analyzed using full-wave simulations 

on HFSS [17]. The results demonstrate that only one mode propagates on the CPW line at  
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Table 2.  1 On-wafer calibration comparison 

Calibration  Standards Standards Substrate 

SOLT  Short, Open, Load, Thru  ISS  

LRM  Line, Match, Reflection  ISS  

LRRM  Line, Match, Reflection1, 

Reflection2  

ISS  

TRL  Thru, Line, Reflection  Design by own  

ML-TRL  Thru, Multi-Lines, Reflection Design by own 

 

 all frequencies below 40 GHz.  In addition to this, HFSS was also used to help place 

the standards on the ML-TRL test coupon shown in Fig. 2. 1. HFSS was used to confirm 

that there is no coupling between adjacent standards. The calibration standards for ML-

TRL include: one thru, two shorts and seven lines, the lengths of which are summarized 

in Table 2.1. The cross section of the standards is shown in Fig. 2.2, with w=4.2mil, 

g=2.3mil and t=0.24mil. The three different DUTs are a line, a step and a filter, as shown 

in Fig. 2.3. These three structures each have a unique characteristic; the line has a low 

overall S11 and near zero dB S21, the step is matched at some frequencies and mismatched 

at others, and the filter has a bandpass response. Both S11 and S21 were used to evaluate 

the calibration response.  
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Fig. 2. 1 DUT board and ISS 

 
Table 2.  2 Lengths of ML-TRL calibration standards 

 

 

Fig. 2. 2 Cross section of CPW standards on DUT board 
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Fig. 2. 3 DUTs 

2.4 Comparison Approach 

The calibrations are compared in two different ways.  First, a statistical analysis of 

measurement repeatability of S11 and S21 for each circuit and each calibration was 

performed. Second, the average values of S11 and S21 (both magnitude and phase) for 

each circuit are compared with full-wave simulation results. The full-wave simulations 

were done using Ansoftôs High Frequency Structure Simulator (HFSS) [18]. In the 

simulation, the thickness of conductor, frequency-dependent loss of the substrate, and the 

fabricated dimensions are taken into account. In all cases the ML-TRL data is processed, 

as shown in Fig. 2. 4, so that the resulting reference impedance and reference plane is 

coincident with those for the LRRM, LRM, and SOLT measurement results. For each 

calibration case, one calibration was performed and then twenty different measurements 

of the DUT of interest were performed in order to obtain the mean value and the standard 

deviation from 1 GHz to 40 GHz.  

Since the S parameters represent both the magnitude and phase relations between the 
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incident and reflected traveling waves for a microwave network, it is very important and 

meaningful to set all of the S parameters that are used for calibration comparison to the 

same reference plane. However, in the measurement of ML-TRL, the reference planes are 

set by the calibration algorithm to be the center of thru (plane A in Fig. 2. 5), which is one 

of ML-TRL calibration standards. While, the reference planes of the other calibrations are 

at probe tips (plane Aô in Fig. 2. 5). The reference plane of the ML-TRL results can be 

shifted to the probe tips by using the propagation factor, shown in equation (2.1). 

 

 

 

Fig. 2. 4 Data process flow chart 
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Fig. 2. 5 Shift of reference plane 
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Where, [S
MLs

] represents the S parameters after shifting, [S
MLm

] is the measured S 

parameters using ML-TRL calibration, l is half the length of the thru standard used in 

ML-TRL. The propagation factor ɔ can be solved from the S-parameters of two 

transmission lines with different lengths, by using equation (2.2). Where, S21_line1 and 

S21_line2 are the measured forward transmission parameter S21 for CPW line 1 and 2 
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standards, respectively. They are defined by

2

2
21

1 0V

V
S

V +

-

+

=

= which can be obtained by the 

measurements of ML-TRL. l1 and l2 are the lengths of the two CPW line. ɔ, S21_1 and 

S21_2 are complex number. 

 

                             
21_ 1 21_ 2

1 2

ln( / )line lineS S

l l
g=-

-
                              (2. 2) 

 

The circuit ABCD matrix was used to renormalize the ML-TRL S-parameters to 50 Ý, 

(the reference impedance used for the other calibrations.) The elements of ABCD matrix 

can be described as [18]: 

 

11 22 12 21

21

11 22 12 21

21

11 22 12 21

21

(1 )(1 )

2

(1 )(1 )

2

(1 )(1 )

2

S S S S
A

S

S S S S
B Z

S

S S S S
D

S

+ - +
=

+ + -
=

- + +
=

                                           (2. 3) 

 

All the terms given in (2.3) are complex quantities. For a given two-port network, ABCD 

matrix is determined by the network itself. When the ports are terminated with different 

impedance Z, the corresponding S parameters are changed. The ABCD matrix; however, 

does not change. Thus, the S parameters can be renormalized to a specific reference 

impedance through the ABCD matrix. This strategy is shown in equations (2. 4). 
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where the superscripts ñMLò and ñ50ò represent ML-TRL and 50 Ý, respectively. MLS11 , 

MLS21  and MLS22   are the measured S-parameters directly obtained from ML-TRL. 50
11S , 50

21S  

and 50
22S are the ML-TRL S-parameters renormalized to 50 Ý. Z

ML
 is the reference 

impedance used by ML-TRL [19] and Z
50

 is 50 Ýs. Since all the test circuits are passive, 

S12=S21. Three unknowns50
11S , 50

21S  and 50
22S  are numerically solved from the above three 

equations. In this way, direct comparison of the calibrations is realized. 

2.5 Measurement Setup and Experimental Result 

The calibrations and S-parameter measurements are performed on the HP8510C 

network analyzer for a frequency range of 1~40GHz. The line and step are probed by 

using Cascade ACP50-GSG-250 probes [7], which have 250 ɛm probe tip center to 

center spacing (a) and 50 ɛm probe tip pad (b) as shown in Fig. 2.6. These results are 

plotted to 40 GHz. Because of the fabrication processing limit, the filter is fabricated with 

the interface for ACP50-GSG-500 probes (a=500ɛm), which leaves more design 

tolerance for CPW dimension. These results are plotted to 22 GHz. The ML-TRL, LRRM, 

LRM and SOLT are implemented in Cascade WinCal XE software [11]. After each  



55 

 

 

 

 

Fig. 2. 6 Enlarged view of the GSG probe tips[7] 

  

calibration, verification is employed to confirm the calibration accuracy. The repeatability 

study consists of test set and measurement aspects. We evaluate test set repeatability by 

performing a ML-TRL at the beginning and at the end of the measurement [20]. The 

results show that the maximal S-parameter error bound in worst-case is 0.012 within 

1~40GHz. Therefore we consider that the test set yields repeatable measurements. 

The measurement repeatability is quantified by the standard deviations of S11 and S21 

among twenty measurements for each calibration, which are illustrated in Fig. 2. 7-Fig. 2. 

12. From these figures, we noticed that the standard deviation for both S11 and S21 varies 

with frequency. They tend to increase when frequency goes to higher. In the S11 

measurement repeatability comparison, we observed that ML-TRL has lowest standard 

deviation on the filter (lower than 0.0025 for 1-40 GHz), but the highest one on the step 

(0.0073@ 32GHz). The SOLT has overall low standard deviation on these three DUTs. In 

the S21 measurement repeatability comparison, the standard deviation of these four 
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calibrations on the filter is smaller than those on the line and step. ML-TRL has lowest 

standard deviation on the step and filter (lower than 0.005 for 1-40 GHz), but the highest 

one on the line, which indicated that ML-TRL may have best S21 measurement 

repeatability for not well-matched DUTs.  

 

Fig. 2. 7 S11 Standard deviation of line 

 

 

Fig. 2. 8 S11 Standard deviation of step 
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Fig. 2. 9 S11 Standard deviation of filter 

 

 

Fig. 2. 10 S21 Standard deviation of line 
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Fig. 2. 11 S21 Standard deviation of step 

 

 

Fig. 2. 12 S21 Standard deviation of filter 

 

The measurements of the four calibrations are compared to the simulations on the 

three DUTs, as shown in Figs 2. 13- Fig. 2. 24. Each measurement plot is the average 
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value of twenty measurements after each calibration. Fig. 2. 13 and Fig. 2. 14 illustrate 

the S11 and S21 magnitude comparison for the line DUT. For S11, the four calibrations 

agree well with the simulation below 14 GHz. For frequencies above 14GHz, ML-TRL 

agrees better. The shift of the resonant frequency in the ML-TRL is 2.04%, while the  

     

Fig. 2. 13 S11 Magnitude of line 

    

Fig. 2. 14 S21 Magnitude of line 
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frequency shift for other calibrations is more than 4.87%. For S21, the under-etching 

during the test board fabrication resulted in the 39 Ý characteristic impedance,  the 

designed and fabricated dimension of cross section are shown in Table 2.3. This 

fabricated 39Ý characteristic impedance contributes to the ripple of S21 in Fig. 2.14. The 

ML-TRL measurements agree better with the simulation for the frequencies less than 29 

GHz.  When the frequency goes above 29GHz, all the measurements deviate from the 

simulation. The deviation of SOLT measurements from simulation is obvious when the 

frequency is higher than 7 GHz.  

For the step DUT, the magnitude of processed ML-TRL measurement results agree 

well with the simulation for both S11 and S21 throughout the whole frequency range 1 - 40 

GHz, shown in Figs. 2. 15 and 2. 16. LRRM, LRM and SOLT start to deviate from the 

simulation at 17.7 GHz in S11 plots and at 24 GHz in S21 plots. The maximal shift of 

resonant frequency is 4.8% in S11 and 2.8% in S21. For the filter, the simulated and all 

measured results for both S11 and S21 have almost the same resonant frequencies and 

agree well with each other at the measurement frequency range 1-22 GHz, shown in Figs. 

2. 17 and 2.18.  

Table 2.  3 The designed and fabricated CPW cross section dimension 

 

Cross section dimension Designed Fabricated 

CPW on Alumina w=4.2mil; g=2.3mil w=4.6mil; g=1.1mil 
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Fig. 2. 15 S11 Magnitude of step 

 

 

Fig. 2. 16 S21 Magnitude of step 
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Fig. 2. 17 S11 Magnitude of filter  

 

 

Fig. 2. 18 S21 Magnitude of filter  

 

Figs. 2. 19-2. 21 show the relative phase difference between measurements and 
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measurement, the phase of S11 is usually with more uncertainty. The phase of S21 is 

investigated in this chapter. As being observed, the phase difference of S21 (average lower 

than 0.2 rad) for the calibrations except ML-TRL is small for the three DUTS. The main 

phase shift of ML-TRL happens at the resonant frequencies, while LRRM, LRM and 

SOLT have phase shift in whole frequency range.  

The deviation of LRRM, LRM and SOLT from the simulation is due to discontinuity 

of the probe tip to DUT interface, which is caused by the different substrates and launch 

dimensions between the calibration standards and DUTs. According to these results, the 

ML-TRL has more repeatability of transmission coefficient on not well-matched DUTs. It 

is the most consistently accurate calibration on these three DUTs up to 40GHz.  

 

 

Fig. 2. 19 S21 Phase difference of line 
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Fig. 2. 20 S21 Phase difference of step 

 

Fig. 2. 21 S21 Phase difference of filter  
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Agilent Advanced Design System (ADS) [21] is employed to optimize the model. The 

optimal model in ADS is shown in Fig. 2. 23, which is designed to easily indicate the 

effect of this probe-to-DUT discontinuity in the calibrations other than ML-TRL. The 

processed S parameters of ML-TRL are imported into the DUT term. The solver in ADS 

optimizes the values of L and C so that these simulated S parameters of this optimal 

model match the measurement results of LRRM, LRM or SOLT. The results for LRRM 

are presented in this paper. The optimized parameters are L=171.2pH, C=5.7fF. The 

results of the optimal model and LRRM measurement for line are shown in Fig. 2. 24, 

which illustrates the good agreement for 1-22GHz. When two-section probe-to-DUT 

transition (Fig. 2. 22(b)) is applied, the results agree well for 1-40GHz, shown in Fig. 2. 

25. The corresponding parasitic parameters are: L1=171.2pH, C1=5.7fF, L2=100.3pH, 

C2=0.8fF. Similar improvement should be observed if applying the transition model to 

magnitude and phase of S21. 

 

 

                                           Fig. 2. 22 Probe-to-CPW transition model 
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Fig. 2. 23 Optimal model for Probe-to-CPW transition in ADS 

 

Fig. 2. 24 S11 magnitude of line--ML -TRL+one-section transition VS LRRM  
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Fig. 2. 25 S11 magnitude of line--ML -TRL+two -section transition VS LRRM 

 

 

2.7 Conclusions 

The four widely used calibrations are compared by the simulated and experimental 

results based on three different circuits. The reference plane is shifted and renormalized 

to 50 Ý for ML-TRL to implement a direct comparison. Both the magnitude and phase of 

S11 and S21 are compared in order to thoroughly evaluate the effects of calibrations on 

reflection and transmission coefficients. The results show that ML-TRL has the best 

measurement repeatability of transmission coefficients on the not well-matched DUTs 

and best accuracy up to 40GHz on the three DUTs used in this chapter. The deviation of 

LRRM, LRM, SOLT from the simulation are considered to be primarily due to the 
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discontinuity between the probe tip and DUT interface, which can be effectively modeled 

as one- or two-section series inductor and shunt capacitor. 
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CHAPTER 3    PHYSICALLY CONSISTEN T BROADBAND 

PERMITTIVITY EXTRACT ION OF BOTH RIGID AN D FLEXIBLE  

DIELECTRIC MATERIALS  BASED ON CO-PLANAR 

WAVEGUIDE LINES  

 

3.1 Introduction 

    As the demand of a variety high performance packaging structures for high-speed 

digital, analog, RF and high frequency applications, the accurate electrical modeling of 

broadband frequency-dependent properties of dielectric materials is of significance 

during the design and analysis process [22]. The complex permittivity of a substrate is 

one of the most important dielectric material properties used in high-speed and wideband 

circuit modeling and design. Usually, the dielectric permittivity provided by the 

manufacturer is a single value with a tolerance at a specific frequency point. In 

electromagnetic simulation software, the dielectric permittivity is often assumed to be a 

constant. For narrow band frequency simulations, such as antenna design, the bandwidth 

is usually within tens or hundreds of MHz in microwave frequency range. This 

assumption can be accepted. However, it violates the causality of the response of the 

medium to an electromagnetic excitation [23] and is not acceptable for accurate 

broadband simulations, such as Multi-Gbps digital circuit design, since the spectrum of 

these baseband signals spreads from DC to couple of GHz or even higher.  

3.1.1 Broadband Constant permittivity assumption violates the causality 

         The dielectric permittivity of a material is defined as the relative permittivity. It is a 
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complex quantity and is a function of excitation frequency. As we know, applying an 

external electric field E in the free space, the electric flux density D0 is given by:  

)()( 00 wew ED =                                            (3.1) 

If the dielectric material replaces the free space, the electric flux density D is: 

)()()( 0 wwew PED +=                                 (3.2) 

where 
­

P  is electric polarization vector. The magnitude of 
­

P  can be expressed in terms of 

applied electric field intensity E as: 

)()()( 0 wwcew EP e=                                   (3.3) 

ɢe is electric susceptibility, which is a dimensionless quantity. Thus, we can write: 
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Ůr is the relative permittivity of the dielectric material. D can also be written in time 

domain as: 
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where h(t) is the inverse Fourier Transform of ɢe(ɤ). From the equations (3.4) and (3.5), 

we can derive that: 
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which leads to: 
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           If we assume the loss tangent is constant, it violates equation (3.8), thus causes 

non-causal phenomenon. The real part of relative permittivity and loss tangent are 

interdependent, so that the constant assumption of relative permittivity violates the 

causality as well.  

3.1.2 Mechanisms of material relative permittivity  

         The four distinct mechanisms are used to derive the classical model of dielectric 

behavior [24], as shown in Fig. 3.1. At  low frequencies, loss mechanism is produced by 

the conduction electrons. However, in most dielectrics the polarized ions are very small, 

thus the losses for dielectric materials are usually neglected.  

         At intermediate frequencies, polar molecules in the dielectric can be treated as 

polarized dipoles, which partially align with the applied external time-dependent electric 

field. As the applied electric field goes to higher frequency, the molecular inertia turns to 

difficultly to follow the applied electric field to align with it, making the losses to 

increase. Accordingly, the inability of the dipoles to follow the external fields results in a 

decrease in the dielectric permittivity along with an increase in the dielectric losses. The 

intermediate frequencies vary for different dielectrics. 
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Fig.3. 1 The four physical mechanism dictating the complex frequency  

dependent dielectric permittivity [26] 

 

        In this intermediate frequency range, the behavior of dielectric material atom can be 

modeled as classic mass-spring system moving along a platform with damping friction, 

as shown in Fig.3.2. The external electrical field is applied to the mass and make it move 

on the platform. It was damped by the spring and the friction force with floor. When the 

acceleration is zero, the first order equation is proved to be sufficient to describe the atom 

behavior, as shown in equation (3.9). Fig. 3.3 illustrates the typical relative permittivity 

for such model. 

                                         Eexkx ee =+W
¶

                                      (3.9)       
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Fig.3. 2 Classic mass-spring system 

 

Fig.3. 3 The typical relative permittivity for first order equation 

 

        At very high frequencies, induced dipoles can be created in individual atoms or 

molecules when the applied electric field is oscillating near a natural frequency. This 

resonance induces large losses with a corresponding decrease in the dielectric permittivity. 

The mass-spring system mentioned above can be expressed with second order equation: 

                                         Eexkxxm ee =+W+
¶¶¶

                            (3.10)                                                                           

which deduces to Lorentz model. The typical relative permittivity of Lorentz model is 

shown in Fig. 3.4 
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Fig.3. 4 The typical relative permittivity for Lorentz model  

        

          At even higher frequencies, plasma oscillations of conduction electron clouds cause 

an additional loss mechanism. These frequencies are rarely reached in practice and the 

effect is normally embedded in a high-frequency constant. 

3.1.3 Choices of DUT 

          The dielectric permittivity of materials can be measured by using time-domain 

measurements or frequency-domain measurements. A time-domain reflectometer (TDR) 

is simple to use and can be quickly set up for general applications. However when the 

device under test (DUT) has low insertion loss and low levels of mode conversion, the 

frequency-domain measurement method is better [25]. The work reported in [26] and [27] 

present methods for extracting dielectric permittivity using the time-domain 

measurements. In frequency-domain measurements, the complex dielectric permittivity 

can be measured by resonators, as reported in [28] and [29]. The resonators provide the 

dielectric permittivity only at discrete resonant frequencies.  

          The accurate electrical modeling of frequency-dependent properties for ñas-
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packagedò dielectric materials is demanded for high-speed digital applications. 

Transmission lines thus attracts more attentions. There are three commonly used 

transmission lines: CPW, microstrip and stripline, as shown in Fig. 1.5. The advantages 

and disadvantages of choose any one of them are summarized in the Table. 3.1. In this 

chapter, a method of a physically consistent broadband dielectric permittivity  

Table 3. 1 Advantages and disadvantages comparison for CPW, microstrip and stripline 

 

 Advantages  Disadvantages  

CPW  Easy to interface with on wafer probe 

All etched traces are visible (measurable) 

Line on thin low Ůr substrates are narrow 

Only Ůeff ' from measurement 

Ůeff' to Ůr' conversion 

Radiation loss is involved 

 

Micro

-strip  

Widely used in industry Requires via interface to probes (de-embedding) 

De-embedding thru vias not trivial 

Vias are irregular & depend upon fab. process 

Only Ůeff ' from measurement 

Ůeff' to Ůr' conversion 

Radiation loss is involved 

 

Stripli

-ne  

Fields contained in the dielectrics 

Measured Ůr' directly 

 

Requires via interface to probes  

De-embedding thru vias not trivial 

Vias are irregular & depend upon fab. process 

Etched traces are not visible 
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extraction of materials in an ñas-packagedò environment is presented based on co-planar 

waveguide lines. There are three main reasons for the choice of CPW. Firstly, CPW is a 

commonly used planar structure in high-speed circuits and interconnects. Secondly, it is 

easy to measure by using on-wafer probes without a transition structure such as that in 

co-planar waveguide to microstrip lines. Thus easy to achieve broad bandwidth up to tens 

of GHz. Besides, CPW does not require demanding fabrication process. In fact, the 

alumina test board used in this chapter was fabricated in the university clean room by 

myself. 

3.1.4  Material characterization procedures  

     Some research on extraction of the dielectric permittivity is shown in [30]-[32]. 

However the frequency range in [30] was only up to 20 GHz. The results reported in [31] 

do not present a continuous dielectric permittivity as a function of frequency, and the 

work in [32] was based on microstrip lines.  

      Multiline TRL (ML-TRL) [33] is used in this chapter to measure the propagation 

factor ɔ and real part of effective dielectric permittivity Ůeff¡ of the CPW lines. Multiline 

TRL gives excellent repeatability and accuracy for high frequency measurement on CPW 

circuits [34].  A closed-form dispersion formula is used to extract real part of relative 

permittivity Ůr¡ from the measured Ůeff¡. The causality relation between Ůr¡ and the 

imaginary part of relative permittivity Ůr± is obtained by Kramers-Kronig relations. Since 

Debye equation satisfies the Kramers-Kronig relation and is easy to implement, it is used 

to calculate Ůr± in this chapter. The loss tangent is calculated from the real and imaginary 
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part of Ůr. The strategy of this method is shown in Fig. 3.5.  

 

3.2 Material characterization on rigid substrate 

3.2.1 Test board design and fabrication 

   Two dielectric materials will be discussed in this section, Alumina and RT/duroid
®
 

6010. The thickness of substrate for both materials is 0.635mm. The Alumina substrate is 

with a reported Ůr=9.9 and tanŭ=0.001 at 1MHz [35]. The metal is gold with a thickness t 

of 6 ɛm. The substrate of RT/duroid 6010 is with a given Ůr = 10.2± 0.25 and tanŭ = 

0.0027 at 10GHz [36]. The metal is copper with a thickness t of 17ɛm.  

   CPW calibration standards for ML-TRL with 50 Ý characteristic impedance were 

fabricated on each substrate. The cross section of CPW design follows the procedures 

shown in Appendix I. The cross sections on the two samples is presented in Fig. 3.6. The  

 

 
 

                                        Fig.3. 5 The flow chart of extracting Ůr and tanŭ from Ůeff 
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center conductor width w=0.1070 mm, and gap width g=0.0584 mm for the CPW on 

Alumina substrate. While w=0.1200mm, and gap width g=0.100mm for the CPW on 

RT/duroid
®
 6010. The CPW model with the designed w and g is simulated in HFSS to 

make sure only one mode is propagated in the structure. The Fig. 3.7 and Fig. 3.8 show 

the propagation factor(Ŭ, ɓ as discussed in equation(1.4)) when three modes are excited 

and propagating along the CPW. In HFSS, three modes are launched in the waveports on 

both ends of the CPW, mode 1 is set to be the lowest mode by default, other 2 modes are 

higher modes. If a mode can propagate in a low loss DUT, its Ŭ should be very small (~0), 

ɓ should not be zero instead. Otherwise the mode is highly attenuated, it will die out 

along the propagation direction very soon. Fig. 3.7 and Fig. 3.8 confirmed the one model 

propagation in the CPW structure for the designed frequency range from 1GHz to 40GHz. 

Since based on the theorem of VNA measurement, it is always assuming that during the 

measurement there is only one mode propagated in the DUT, otherwise the measurements 

may not be correct. 

                                   
                                                       Fig.3. 6 Cross-section of CPW 
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Fig.3. 7 Simulated Alpha with 3 excited modes 

     

Fig.3. 8 The simulated Beta with 3 excited modes 

 

  The distance between adjacent CPW calibration standards is verified during the 

layout, to make sure there is no coupling between any two standards. One isolated Thru 

line and two adjacent Thru lines with 4.07mm center-to-center separation, as shown in 

Fig. 3.9, are simulated in HFSS respectively. Fig. 3.10 and Fig. 3.11 are the simulated 

return loss for them. Observed from these two figures, the return loss is the same. The 

results confirm that 4.07mm is the right center-to-center distance between two adjacent 
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Thru lines without coupling. 

 

(a) Isolated Thru line                     (b) Two adjacent Thru lines 

Fig.3. 9 The investigated CPW calibration standards 

 

 

 

Fig.3. 10 The simulated return loss of isolated Thru 
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Fig.3. 11 The simulated return loss of two adjacent Thru  lines 

 

The CPW calibration standards are designed to cover the frequency range from 1GHz 

to 40GHz. The design of these calibration standards are shown in Appendix II .  

The alumina test board was fabricated in the nano-microfabrication clean room at the 

University of Arizona by myself with wet etching method. The detailed procedures are 

the same as the steps summarized in Appendix III . The RT/duroid 6010 board was 

fabricated by an outside vendor. Fig. 3.12 shows the fabricated two test boards, referred 

as sample 1 (Alumina) and sample 2 (RT/duroid 6010). 

3.2.2 Measurements of Ůeff¡ 

 S-parameter measurements were performed by using 50-Ý CPW probes (Cascade 

ACP50-GSG-250 [7]) and an HP8510C vector network analyzer. The enlarged view of  



82 

 

 

                          
                                   (a) Sample 1 (alumina)             

                                     

                          
                             (b) Sample 2 (RT/duroid

®
 6010) 

 
                                              Fig.3. 12 Coplanar waveguide samples 

 

CPW probe is shown in Fig. 2.6. The center-to-center distance of adjacent probe tip a is 

250ɛm. The probe tip pad b is 50ɛm. ML-TRL calibration that implemented in Cascade 

WinCal XE [11] software was used for a frequency range of 1 ï 40 GHz. 

   The propagation factor ɔ and Ůeff can be solved from the S-parameters of two 

transmission lines, by using equation (3.11) and (3.12).  
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where l1 and l2 are the lengths of the two CPW lines, S21_1 and S21_2 are the measured 

forward transmission parameter S21 for CPW line 1 and line 2, respectively, referring to 

their own characteristic impedance. ɔ, S21_1 and S21_2 are complex number. 

    The CPW structures were also simulated using Ansoft HFSS full-wave simulation 

package [18]. The measured and simulated propagation factor for both samples are 

plotted in Fig. 3.13 and Fig. 3.14. The  physical properties of the samples were included 

in the simulation. For Sample 1, the metal for CPW central strip and ground is set to be 

gold with conductivity 4.098×10
7
 S/m with a thickness of 6ɛm, tanŭ=0.0017. For Sample 

2, the copper conductivity is set to be 5.813×10
7
 S/m with a thickness of 17ɛm, 

tanŭ=0.0025. From the figures, it can be observed that the simulation and measurement 

agree well with one another other.  

   Theoretically, the Ůeffô of a CPW should first decrease with frequency because of the 

frequency dependence of the line inductance due to the skin effect [37][38], and then 

increase with frequency, which is caused by the increased concentration of the field in the 

dielectric material at higher frequencies [39]. The measured Ůeff¡ for both samples in Fig. 

3.15 satisfies this theoretical analysis. 
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(a) Alpha 

 

(b) Beta 

Fig.3. 13 The comparison of measured and simulated propagation factor for Alumina Sample 
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(a) Alpha 

 

(b) Beta 

Fig.3. 14 The comparison of measured and simulated propagation factor for RT/Duroid 6010 Sample 
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(a) Measured Ůeff¡ for Alumina Sample 

 

(b) Measured Ůeff¡ for RT/Duriod 6010 Sample 

Fig.3. 15 Measured Ůeff¡ for both samples 
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3.2.3 Extraction of Ůr¡ from Ůeff¡ 

   When an electromagnetic wave propagates on a CPW, the electric fields above 

conductors are in the air in general, while those below conductors experience the 

permittivity of the substrate, thus the CPW structure is inherently dispersive. A dispersion 

model [40] combines both semi-empirical techniques and conformal mapping is used to 

extract the real part of the dielectric permittivity from the effective dielectric permittivity. 

This compact closed-form analytic approximation takes into account the dispersion of the 

line inductance and the effects of the field confinement and substrate surface wave, which 

is accurate in a wide frequency band for frequencies above f=1/(ɛ0ůts), where t, s and ů 

are the metal thickness, half width of the CPW central strip, and its conductivity 

respectively. It is important to choose a model that incorporates as many physical 

properties of the structure as possible. This will ensure the best possible accuracy. The 

closed-form dispersion formula is shown in equation (3.13): 
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where: 

log( ) log( / )a u w g v= +                                                              (3.14)    

20.54 0.64 0.015u p p= - +                                                        (3.15)                                                                             

20.43 0.86 0.54v p p= - +                                                          (3.16)                                                                       

log( / )p w h=                                                                                 (3.17)                                                                                                
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K(k) is the complete elliptic integral of the first kind. Ůr¡ is the real part of relative 

dielectric permittivity of the substrate, Ůqs is the quasi-static effective dielectric 

permittivity of the line assuming perfect conductors in the t = 0 limit, fTE is the cut-off 

frequency for the surface TE0 surface waves of the substrate, h is the thickness of the 

substrate. The range of parameters for which this formula is valid is shown below. Within 

these ranges, the accuracy of Ůr¡ is better than 5% [44]. The extracted Ůr¡ for both samples 

are shown in Fig. 3.16.  

The range of parameters: 

 

'

0.1 / 5; 0.1 / 5

1.5 50; 0 / 10r TE

w g w h

f fe

¢ ¢ ¢ ¢

¢ ¢ ¢ ¢
                (3.24) 

 

3.2.4 Calculation of Ůr± from Ůr¡  

      The assumption of causal material, leads to equation (3.7) in 3.1.1, and the Kramers-

Kronig Hilbert transform relations (equation (3.15) must hold [41]) as well. Thus the 

relation between the real and imaginary parts of the complex permittivity must satisfy the 
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Kramers-Kronig relations, based on the assumption of causality.  
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(a) Sample 1 (alumina) 

 
(b) Sample 2 (RT/duroid

®
 6010) 

 

Fig.3. 16 Extracted Ůr' for both samples 
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   However, it is not practical to use the Kramers-Kronig relations. In order to apply the 

equation (3.25), we must have complete knowledge of the Ůr¡ (ɤ) or Ůr± (ɤ) for all 

frequencies from zero to infinity. Second, materials can have absorption bands at low 

frequencies in general. The integral in equation (3.25) cannot be performed without 

addressing the presence of low frequency absorption bands.  

       The proved casual permittivity models for dielectric materials: Debye model is 

recommended to describe the frequency dependent complex permittivity. It satisfies the 

Kramers-Kronig relation and is valid up to THz frequencies.  

Debye Model 

         Debye model is based upon physical principles rather than heuristics. The Debye 

equation comes from the electrical equivalent model of the simple harmonic oscillator. 

Model is accurate for a wide variety of materials with low-loss and medium loss. It states 

that[42]: 
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    Űk :  relaxation time constant  

    Ůk:  a constant, the value is equal to Ůrȭ variation between zero (DC) and very large    
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          frequency,  

    ŮrÐȭ:  a constant of real part permittivity at very large frequency (Ð) 

    k=1, 2éK, are unknown coefficients.  

         ŮrÐ', Ůk and Űk are calculated by using the known Ůr¡ (f), which is converted from the 

effective permittivity in section 3.2.3. For example, if k is set to be 1(which is the case to 

fit the Debye model for rigid materials in this chapter), then only three coefficients in 

Debye model: Ű1, Ů1 and ŮrÐȭ, need to be calculated in order to fit the model. Thus three 

values of the converted Ůr¡ (f) at three frequencies are chose to solve the Ůr'(ɤ) in equation 

(3.26). Three equations solved these three coefficients. The calculated coefficients are 

shown in Table 3.2.  These coefficients substitute into the imaginary part of Debye 

equation Ůr''(ɤ) in equation (3.26) and solve the loss tangent by using the equation (3. 27). 

The solved loss tangent results are shown in Fig. 3.17. 

         The theoretical tendency of real and imaginary part of the permittivity versus 

frequency in Debye model can be depicted by doing some simple derivation. For 

simplification, choose K=1. Thus, the real part of Debye equation is simplified to be: 

2

1

1''

)(1
)(

wt

e
ewe

+
+= ¤rr                                                     (3.28) 

since ''

01 ¤-= rr eee  is a constant. Thus Ůrȭ decreases with frequency, as shown in Fig. 3.3. 

          Debye model is self-causal. The imaginary part of permittivity extracted from the 

real part of permittivity should be an odd function vs frequency.  Based on physics, it 

should increase with frequency. 
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                                           Table 3. 2 The parameters in Debye model 

 

Materials  Ů1  Ű1  ŮrÐ¡  

Sample1 (alumina)  0.19  4e-9  9.53 

Sample2(RT/duroid
®
 6010)  0.20  3e-9  10.48  

 
(a) Sample 1 (alumina) 

 
(b) Sample 2 (RT/duroid

®
 6010) 

 
Fig.3. 17 Calculated tanŭ for both samples 
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3.2.5 Model Accuracy 

  The manufacturerôs specified value of Ůr¡ for Alumina is 9.9. By interpolating the 

extracted Ůr¡ of Sample 1 (Alumina) to the frequency of 1 MHz (Fig. 3.18), the extracted 

value is 9.907, which compares to the given specification of 9.9 at that frequency. For 

Sample 2 (RT/duroidÈ 6010), the values of Ůr¡ and tanŭ given in this report are compared 

to those derived using microstrip (the groupôs previous work [34]), which are shown in 

Fig. 3.19 and Fig. 3.20. For Ůr¡, The difference between Ůr¡ computed using microstrip and 

CPW is less than 1% at frequencies greater than 3.5 GHz.. The difference increases when 

the frequency is less than 3.5GHz. The maximum difference is 2% at 1 GHz. For the loss 

tangent, the maximum difference between the results of CPW and microstrip is 0.0002.  

   The differences between the extractions using CPW and microstrip lines result from 

several factors. First of all, the anisotropism of the material contribute to this difference. 

The electrical fields distribution in CPW are along the lateral direction, while the fields in 

microstrip are in longitudinal direction. Furthermore, in the measurement of CPW lines, 

the Ůeff¡ is more sensitive at low frequencies, which may be caused by the effect of non-

uniformities in the longer lines. Measurement uncertainties also contribute to these 

differences. Besides, the accuracy of the closed-form dispersion formula is another factor 

that affects the results. 
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                                            Fig.3. 18 Interpolating Ůr¡ for alumina sample 

 

       
Fig.3. 19 The comparison of Ůr ' on RT/duroid ® 6010 sample obtained from CPW and microstrip lines 
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Fig.3. 20 The comparison of loss tangent on RT/duroid ® 6010   

obtained from CPW and microstrip lines 

 

3.3 Material characterization on flexible substrate 

       The artifacts for flexible material characterization project were provided by 

Rambus[43][44]. The goal of this project is to extend the range of the material 

characterization work to include the emerging area in packaging electronics for 

backplanes using thin flexible materials. The main objective was to create causal 

dielectric permittivity models for a new and very thin flexible material over a wide 

frequency band. The University of Arizona provided an initial design layout of the circuit 

artifacts based upon our findings in material characterization for rigid materials. Some of 

the initial designs were changed in the fabrication process. The material and test board 

fabrication are provided by Rambus. In this section, both the original design dimensions 

and the results of the final fabricated structures will be presented. The original design 

includes a set of 75 Ý CPW calibration standards on the flexible substrate, with the 
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desired frequency range of 0.5GHz to 110GHz.   

        The probes used in this project are two GGB 67A-GSG-150 with 150ɛm(6mil) 

adjacent tip-to-tip distance and 50ɛm(2mil) tip pad, which limits the cross section of the 

designed CPW to w/2+g<6mil. The fabrication process sets the limit of a minimum of ah 

2 mil width for the conductor or the gap between adjacent conductors: wÓ2 mil & gÓ2 

mil. For a CPW, if the center conductor is made wider, then the characteristic impedance 

is smaller.  Similarly if the gap is made narrower, then the characteristic impedance gets 

smaller as well. This is shown in Table 3.3. Table 3.3 shows that for a gap width  of 2mil, 

the lowest characteristic impedance, is obtained from a conductor width that is 8mil. Zo in 

this case is 71.5Ý. This is the widest conductor width that is still compatible with probe 

cross section. Thus it was determined that a transmission line of 75Ý was used. Chapter 2 

also shows that non-50 ohm lines can be the successfully. Conductor backing was added 

to the CPW in order to improve the mechanical strength of the test board. Thus the design 

of the test board with flexible material is  CB-CPW. The frequency dispersion of CB-

CPW is less severe compared to CPW and microstrip based on the full wave analysis. For 

very thin flexible substrates, the characterization needs to be CB-CPW in order to provide 

some mechanical strength or else the circuit may tear.  

Table 3. 3 The impedance of CPW 

Ůr=3.2  H=2mil  t=0.35mil  sigma=5.813e7  tand=0.004   

fix g=2mil w(mil) Z0 fix w=15mil g(mil) Z0   

  2 95.9   2 63.1   

  3 87.7   3 72.8   

  4 82.5   4 80.7   

  5 78.7   5 87.6   

  6 75.8   6 93.7   

  8 71.5   8 104.2   
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3.3.1 Design of test board 

       The cross section of this flexible material is shown in Fig. 3.21.  The cross section 

design for CB-CPW follows the procedures in Appendix I as well.  The CB-CPW is 

designed to be 50 Ý with w=3.8mil and g=2mil. The width design of the side ground ( m ) 

is a trade-off of field leakage and bandwidth, as the higher modes are excited at lower 

frequencies when it is getting wider, while the fields are not fully confined in the 

structure and easily couple with other surrounded standards when it is getting narrow. 

Fig.3.22 shows the simulated insertion loss of the CB-CPW with different side ground 

widths (A=w+2g+2m). The results show relatively low insertion loss up to 80GHz when 

m=4.1mil. The E fields along the CB-CPW structure at different frequencies are shown in 

Fig.3.23. As being observed in the figures, the higher mode is excited when the frequency 

is higher than 80GHz. Thus in the design, the frequency range that can be achieved is 0.5-

80 GHz. 

        Due to the reduced length of side ground, the fields in one structure probably easily 

couple to the other structures nearby. This requires more careful investigation of the 

center to center distance between two adjacent standards in the layout. By doing the 

simulations similarly as in section 3.2, it is finally determined to be 45mil to make sure 

no coupling between two adjacent CB-CPW artifacts as shown in Fig. 3.24. 
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Fig.3. 21 The cross section of the flexible material 

 

 

Fig.3. 22 Insertion loss of the 200mil CB-CPW 

 

  

                                                    Fig.3. 23 Field distribution analysis 

 



99 

 

 

 

Fig.3. 24 Cross section of two adjacent CB-CPW 

 

        The length design of calibration standards follows the procedures in Appendix II  as 

well. The lengths for each standards are listed in Table 3.4. Considering the CPW 

interface of the probes, extra CPW pads have to be added to both ends of the CB-CPW 

standards in order to land the probes during the measurement. Thus how to design this 

CPW pads and how to transit the fields from CPW to CB-CPW needs to be carefully 

thought about. Finally the suggestion is no need to design extra CPW pads and transition, 

they are empirically determined during layout without any specific care and simulation, 

which turns out to be a possible mistake. In the layout, the CPW pads are the extension of 

the trace and two side grounds of CB-CPW, and tapers can used to be the transition 

between CPW and CB-CPW, as shown in Fig. 3.25. The lengths of tapers can be modeled 

using full wave simulation. 

        The fabricated test board included several differences from the original designed 

values. First, the tapers were determined empirically. Second, the very important "Thru" 

standard was only half of the designed length, as shown in Fig. 3.26 and Fig. 3.27. Since 

all of the line standards on the board are referenced to the length of the Thru standard, the 
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error means that the ML-TRL calibration method can not be used. In this work, there was 

no second opportunity to fabricate the boards due to access to the relatively new thin, 

flexible material. Thus another approach was used to extract the effective permittivity of 

this flexible substrate with the existing artifacts on the test board. The research in Chapter 

2 shows that the LRRM calibration method has the second best calibration accuracy. 

LRRM utilizes the impedance standard substrate.  

3.3.2 Effective permittivity measurement on the flexible board 

        The profile of the standards on the flexible test board is shown in Fig. 3.28. This test 

board shows a CPW launching section followed by the CB-CPW line. The length of the 

CPW launch section was the same for all of the lines fabricated on the test board. A 

LRRM calibration is performed on the ISS to eliminate the error caused by the cables, 

probes, adapters and VNA. The reference planes are set to probe tips after this calibration. 

During the measurement, these reference planes are in the CPW at the probe/CPW 

interface. on, as indicated by the green arrows in Fig. 3.29. On these test boards, the line 

standards are not uniform, i.e., CPW transitions to CB-CPW. The line measurements 

available in the LRRM method include results of a mixed type of transmission line, and 

thus the propagation factor obtained by LRRM contains a mix of the propagation in CPW 

and CB-CPW. Reference plane de-embedding as discussed in 2.1 is not available. After 

LRRM, it is important and careful laboratory practice to verify the accuracy of the 

calibration.  
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            Table 3. 4 Length of CB-CPW Multiline -TRL calibration standards (1-80GHz) 

 

Standard Length(mil) 

2 thru 200mil/each 

2 open 100mil/each 

line1 231mil 

line2 293mil 

line3 418mil 

line4 854mil 

line5 1071mil 

line6 2814mil 

 

 

Fig.3. 25 Enlarged Thru on the flexible substrate 
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Fig.3. 26 Test board on flexible material 

 

Fig.3. 27 Fabricated calibration standards on flexible material 

 

        A two-line method that compares the scattering parameters using pair of lines from 

lines 1 to lines 6 on the test board, can be used to and moves the reference planes further 

to the CB-CPW as the green arrows indicated in Fig. 3.30. After the LRRM calibration on 

probe tips, the line 1-line 6 on test boards are measured by using probes. The measured 

reflection coefficient and transmission coefficient of each lines are used in equation (3.29) 

to calculate propagation factor. Within this method,  the transmission delay between two 

calibration standards with only the different CB-CPW length is assumed to be caused 

only by their length difference.   
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Fig.3. 28 The standard profile on test board 

                 

 
                      Fig.3. 29 The LRRM on-wafer calibration moves the measurement reference  

                                         plane to the planes indicated by the green arrows 

       

 

Fig.3. 30 The 2-line method further moves the measurement reference  

plane to the planes indicated by the green arrows 
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       The propagation factor on CB-CPW is thus calculated by[19], 
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where L12 and L11 are the reflection coefficient and transmission coefficient, respectively 

of the line m (m=1,2...6), T12 and T11 are the reflection coefficient and transmission 

coefficient, respectively of the line n (n=1,2...6, n<m), L12, L11, T12, T12 and ɔ are all 

complex quantities. m always has longer length than n. l is the length difference between 

the line m and line n.  Equation (3.29) can be solved in Matlab. All possible combinations 

of m and n are calculated to look for the combination with best bandwidth. The all 

combinations with line 1(shortest line) are shown in Appendix IV. The combination of 

line 1 and line 2 (the shortest two lines on the test board) as expected turns out to be with 

the highest bandwidth, which is from 1GHz to 8GHz. The calculated propagation factor 

and effective permittivity of the CB-CPW are shown in Fig. 3. 31 and Fig. 3. 32. The 

results show large (non-physical) spikes between 10GHz~15GHz and 20GHz~25GHz.  

        There are two possible reasons for such results: 1. CPW to CB-CPW transition, 

which is not well designed. It may cause the impedance mismatch in the calibration 

standards and resulting in the degrade of the bandwidth. 2. The measurements are limited 

by the available standards on the test board. They are not designed for broad bandwidth 

without Thru.  

If we consider reason 1,  then the spikes would occur at nearly the  same 

frequency for all combination, since  each standard includes the same transition. The 

results shown in Appendix IV; however, do not follow this tendency.  The results in 
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Appendix IV show that the nonïphysical spikes occur at lower frequencies when the line 

lengths differ quite a bit. It is most interesting to compare the results if line 1 is used, 

since line 1 is the shortest line. When a much longer line is used to with line 1 to 

calculate propagation factor, many spikes occur.  The design process of the calibration 

line standards for ML-TRL requires that the  difference in the electrical length between 

each line standard and the Thru standard should be in the range of 20-160 degree at their 

center frequencies, which provides the highest frequency range(start frequency : stop 

frequency=1:8) and accuracy calibration. The longer the line difference with Thru, the 

lower center frequency the calibration covers within 20-160 degree. That is why the 

shortest length difference combination(line 1 and line 2) has the highest bandwidth.    

        The possible solutions include: 1. Only convert the effective permittivity within 

valid bandwidth (1GHz-7GHz) to corresponding relative permittivity. Then fit Debye 

model with these converted relative permittivity to obtain the Debye casual relative 

permittivity and loss tangent on the full frequency range (1GHz-40GHz). 2. Try to fit 

propagation factor in Fig. 3.31 in the full frequency range (1GHz-40GHz), and fit the 

Debye model to obtain the loss tangent in full frequency range. The advantage of solution 

2 is the more choices of the relative permittivity values for Debye model fitting. However, 

the error of fitted data may be accumulated in the later procedures, that is why the 

solution 1 is employed in this dissertation.  
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(a) Alpha 

 

(b) Beta 

Fig.3. 31 The calculated propagation factor of CB-CPW by using line 1 and 2 
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Fig.3. 32 The solved real part of effective permittivity 

 

3.3.3 The converted relative permittivity 

             The closed-form formula converts the real part of effective permittivity shown in 

Fig. 3.32 to relative permittivity. The formula used for this CB-CPW is shown in equation 

(3. 30) [45], which is different from the one used for CPW conversion in section 3.2.   
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where,  K is the complete elliptic integral of the first kind. w and g are the width of trace 

and gap in the CB-CPW. h is the thickness of the substrate. t is the thickness of metal. 

The effect of finite metal thickness is described by the ȹ. 

       The valid range of parameters in this closed-form formula and its accuracy are the 

same as in equation (3.24).  Fig. 3.33 shows the converted real part of permittivity on the 

flexible substrate, which compares to the 3.2 given by Rambus. 

 

Fig.3. 33 Real part of relative permittivity of the flexible substrate 
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3.3.4 Fit Debye model 

       The same procedure as in the section 3.2.4 is followed to fit the Debye model, some 

values of converted real part permittivity (as shown in Fig. 3.33) are chosen to calculate 

the coefficients in the model. These coefficients such as ŮrÐ, Űk, Ůk are then used to 

calculate imaginary part of permittivity and solve loss tangent, as shown in equation 

(3.27). For this flexible material, 8-term Debye model is fitted compared with the 1-term 

Debye model for rigid materials, since it shows that the more terms included in the Debye 

model, the more accuracy the model can achieve. The values of these coefficients are 

shown in Table 3. 4. The calculated relative permittivity and loss tangent of the flexible 

material is shown in Fig. 3.34. The Debye fitted relative permittivity agrees well with the 

converted ones from the measurement in Fig. 3.33. The loss tangent is around 0.004 the 

value provided by manufacture and increases with frequency as expected.  

 

Table 3. 5 Coefficients used to fit Debye model 

 

Ů1-4  0.004625  0.1850  0.03700  0.1850  

Ű1-4  3.948E-8  1.974E-9 2.962E-18 1.004E-18 

Ů5-8  0.2775  0.2775  0.005550  0.02775  

Ű5-8  1.053E-19  1.017E-19  9.834E-20  8.157E-20  
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(a) Debye model fitted relative permittivity 

 

(b) Debye model calculated loss tangent 

Fig.3. 34 The Debye model fitted relative permittivity and loss tangent of flexible material 

 

3.4 Conclusions 

    The method to accurately extract the complex permittivity of both rigid and flexible 

materials based on CPW and CB-CPW lines is proposed in this chapter. The results 

indicate that this method is effective on the alumina, RT/duroid
®
 6010 and LCP substrates 

from 1 to 40 GHz. On-wafer measurement techniques are employed to obtain wide band 

real part of the effective dielectric permittivity. Dispersion formulas are used to map real 
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part of the effective permittivity to its corresponding relative permittivity. The imaginary 

part of permittivity is solved by applying the Debye equation. The coefficients used in 

Debye equation are calculated through curve fitting of the real part of relative 

permittivity from the converted relative permittivity from the measurement. This method 

can be applied to the accurate wide-band dielectric characteristics modeling on other rigid 

and flexible materials. 
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CHAPTER 4    A HYBRI D METHOD FOR EFFICIE NT MEDELING 

OF THREE DIMENSIONAL  VIA STRUCTURES  

       

      This chapter develops a method to simplify the full-wave simulation of three 

dimensional via structures in the mid-plane regions of three-dimensional package 

structures.  In this approach, a full-wave model of the entire via is divided into smaller 

unit sections and then each section is modeled individually. The final simulation results 

are obtained by cascading the scattering parameters of the individual via sections. This 

hybrid method (or Cascade Method) provides great flexibility and simulation time and 

complexity reduction for various via simulations. The bandwidth of this method depends 

on how the unit cell boundaries are  set in the model. With proper boundaries, the far-end 

crosstalk (FEXT) simulation accuracy of the cascade method is comparable to the 

accuracy obtained with simulations obtained with full wave (HFSS) simulation of the 

entire via structure for frequencies up to 20GHz for both uniform via structures and the 

structures with discontinuities. The insertion loss simulation of the cascaded structures is 

accurate up to 20GHz for uniform structure and up to 6GHz when there with 

discontinuity.  

4.1 Introduction 

       At slow signal speeds the vias are often treated as if they have no affect on the signal. 

The impact of the vias cannot be neglected when the speed of signal goes up to tens of 

megahertz. Simulation of the vias is often performed by extracting the capacitances and 
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inductances using quasi-static approaches [46]. As the data rates increase and signal rise 

time decreases, the effects of via become a big concern in signal integrity. These effects 

include impedance mismatch, creation of unwanted stubs, discontinuities in the signal 

return path and electromagnetic interference (EMI). More accurate modeling and full 

wave simulation of the via is required at high data rates [47], since the characterization of 

the overall signal performance at high frequency components is needed.   

        The vertical return current transition and the distance to the signal via significantly 

impacts the inductance of the via. It is difficult to predict exactly where the current 

transition occurs, and thus full-wave simulation is needed to model the entire vicinity 

around and including the via [48]. The traditional way to perform the full-wave 

simulation with the entire via for each interested case is 3D full-wave electromagnetic 

simulation tools such as HFSS. It is tedious and error-prone to create via models for an 

integrated packaging structure with many vias. Boards with mid-plane designs may 

contain thicker layers and layers for via escape routing. This work considers a mid-plane 

PCB which has a total of 46 layers with 12 layers used for via escape routing, as shown 

in Fig. 4.1. By carefully design, the frequencies with global radiation of the vias on mid-

plane foot print are pushed beyond the operating frequency range, therefore the cross talk 

simulation can be reduced to a case with a victim line with a few concerning aggressors 

nearby. Consider a case where two aggressors need to be considered for crosstalk 

simulation, there will be a total of 12*12*12=1728 possible via combinations. This 

results in a difficult and time consuming task to simulate all of the via combinations 

using a full -wave simulation approach for each complete via structure. The methods  in 
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[49][50] present methods to accurately model the via or reduce the via simulation time, 

however they are not easy to apply.  

         This chapter develops a hybrid approach to simplify the full -wave simulations of 

via structures in the mid-plane layers of PCBs. The electromagnetic properties of the vias  

are localized by partitioning the via structure into smaller unit cell sections [51].  One 

challenge is determining the proper boundaries in which to divide the long via structure 

into  unit cells.  Some vias are divided uniformly while other vias include discontinuities 

such as mid-plane connector feed-in structure, via pad and escape traces. The simulation 

of a uniform structure can be further simplified by portioning it into even smaller 

segments.  The final simulation results consists of the cascading the scattering parameters 

of the various sections of these parts.  The scattering parameters of the various sections 

are obtained by full wave simulations. The full wave simulations on the much smaller 

sections can be completed relatively quickly. This approach is ideal for implementation 

when additional via sections are inserted to the layout since only new scattering matrices 

that model the new sections must  
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Fig. 4. 1 Mid -plane connections 

 

be added in the proper location. This method is accurate and is much quicker than 

running a full-wave simulation of the complete via structure for each new modification. 

The method is easy to implement with other via models with similar multilayer stackups, 

and dramatically reduces the via model creation, simulation time, and complexity. The 

simulation accuracy is compared to traditional 3D full-wave full-length via simulation in 

HFSS in the later sections.  

        The hybrid modeling approach is applied to uniform via structures in Section 4.2. 

The results show a good agreement to full-length via simulation for both parameters of 

interest, insertion loss and far-end cross talk (FEXT), from 1GHz to 20GHz.  In Section 

4.3, the hybrid method is applied to model the vias that include discontinuities such as a 

connector feed-in, a via pad, and escape traces etc. The results show that  FEXT results 

with the Cascade Method agrees well full-wave simulation of the entire via for the 

frequency range from 1GHz to 20GHz. The insertion loss computed by the cascade 



116 

 

 

model is sensitive to the boundary settings, and varies from the full-wave simulations of 

the entire via when the frequencies are higher than 6 GHz. The source of deviation and 

effect of boundary setting are investigated.  An example is presented in Section 4.4 to 

show how to implement the hybrid method and presents its benefits.  Section 4.5 provides 

a summary and conclusion. 

4.2 Cascade Method on uniform structures 

       Signals traveling on a via segment will radiate if there is no nearby return path. The 

radiation is not uniform and necessitates a model of the entire structure.  When the 

ground-signal-ground (GND-GND) structure on the mid-plane of the PCB stackups 

(shown in Fig. 4.2) is repetitive, then localization of the radiation possible. In this case, 

the full-length via can be split into smaller unit cell that can dramatically decrease the 

model build and simulation time, considering the volume meshing in HFSS. The S-

matrices of the unit cells can then be cascaded using simulation tools such as ADS or 

MATLAB . This paper explores how to implement this cascade method to simulate via 

structures compared to full -wave modeling of the complete via structure in its entirety. It 

also explores the time savings and accuracy of the cascade method for via modeling. And 

what is the accuracy of this method.   

4.2.1 Single Via Pair 

         Fig. 4.3 (a) shows a picture of a continuous via structure with consists  of 11 GND-

GND segments. This figure shows a set of two active vias that are fed differentially. The 

active vias are surrounded by a fence of 8 non-excited vias. Fig. 4.3 (b) shows an 
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exploded view of the same structure that depicts how the structure can be divided into 11 

identical cascaded GND-GND segments (or unit cells). Eleven identical [S] matrices of 

the unit via cell structure can be cascaded together to compute the differential mode 

insertion loss and crosstalk. The calculation of time and accuracy of cascade method is 

first verified on uniform structures. A uniform structure does not have a discontinuity 

such as via pads, escaping traces etc. The boundaries of the unit cell is set to the center of 

the ground plane as shown in Fig.4.2. 

   

(a) One GND-GND Segment  (b) PCB stackup 

                                         Fig. 4. 2 Side view of differential via structures 

 

     

       (a) Full length of differential vias       (b) Exploded view to show unit cell of 11  

                                                             GND-GND segments 

                                                   Fig. 4. 3 Uniform Via Structure in PCB  
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The two simulation models of the differential via structure in Fig. 4.3 were compared. 

One model labeled  ñFull-lengthò is an HFSS model of the entire differential via section. 

The model ñCascadeò was created by first performing an HFSS simulation to compute 

the S-matrix of the one cell (a GND-GND segment) and then by cascading the eleven [S] 

matrices of GND-GND segment in ADS. The active vias are fed differentially. The two 

input ports are numbered as ports 1 and 2, while the output ports are 3 and 4. The 

insertion loss is computed using [52] 

                                                S21_dd=(S31+S42-S41-S32)/2         (4.1) 

 and the FEXT is given by S41. 

        The dielectric material of each layer has Ůr =3.4 and thickness h=0.3mm. The copper 

is 0.5 OZ on each layer. The  boundary of the unit cells  is set to the middle of the GND 

layer. Other HFSS parameters include waveports are used to excite the model, Delta 

S=0.01 for the mesh adaptation, and a discrete sweep.  

         Table 4.1 lists this time comparison of the full-length via and the Cascade Method 

model for the uniform via simulation in Fig. 4.3. The cascade part of the method is 

realized in ADS that runs in Windows on a personal laptop.  HFSS runs on a UNIX 

platform LSF (Load Sharing Facility) environment. The server has dual 3.25 GHz Intel 

Xeon X5680 CPUs with 96 GB of RAM. The remarkable advantage of using the cascade 

method is the dramatic time savings  in the via model build and simulation time.  The 

accuracy of the cascade method on this uniform one pair of vias is compared with full-

length vias simulation. Figs. 4.4 and 4.5 compare the amplitude and phase of the 

differential insertion loss and FEXT. The maximum amplitude difference is 0.017dB for 
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insertion loss from 1GHz to 20 GHz, and 0.25dB for FEXT. Phase of both insertion loss 

and FEXT agrees well in the entire frequency range from 1GHz to 20GHz. 

               Table 4. 1 Via model build and simulation time comparison for Cascade Method  

                                  and Full Length model for differential vias in Fig. 4.3 

 

 Cascade Method Full length 

Model build Simulation Model build Simulation 

1 pair 10 min 2 min 300 min 18 min 

2 pairs 15 min 2 min 330 min  25 min 

 

 

(a) Amplitude 

 

(b) Phase 
Fig. 4. 4 Insertion loss for single set of uniform differential vias 
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(a) Amplitude 

 

(b) Phase 

Fig. 4. 5 FEXT comparison for single set of uniform differential vias 
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4.2.2 Two pairs of vias 

        The next model includes 2  active pairs of differential vias as shown in Fig. 4.6.  The 

active vias are surrounded by twelve ground vias. This comparison includes the results of 

an HFSS simulation on the entire structure with the results from the Cascade Method. 

The cascaded and full-length simulation results are compared in Fig. 4.7 and Fig. 4.8. In 

this case 

S21_dd=(S31+S42-S41-S32)/2            (4.2)  

S_FEXT=(S71+S82-S81-S72)/2        (4.3) 

The amplitude of the insertion loss agrees well at the low frequencies (lower than 3GHz) 

and the high frequencies (from 15GHz to 20GHz), have deviation between 3GHz to 

15GHz. The maximum amplitude difference is 0.02dB at 10GHz. The amplitude of 

FEXT and the phase of both insertion loss and FEXT agree quite well for the whole 

frequency range. The results indicate that the cascade method works well up to 20GHz on 

uniform structures.   

 

Fig. 4. 6 Two pairs of via model in HFSS 
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                                                               (a) Amplitude     

 

                             (b) Phase 

                                             Fig. 4. 7 Insertion loss for two pairs of differential vias 
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(a) Amplitude 

 

(b) Phase 

Fig. 4. 8 FEXT for  two pairs of differential vias 
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4.3 Cascade Method with discontinuity 

       The via of the mid-plane in reality always needs to feed in with the connectors on the 

top and escape from a specific mid-plane layer. These cases naturally include 

discontinuities such as via pads and escape traces etc. Some deviation of the results from 

Cascade Method from the full-length model simulation after including these 

discontinuities is expected, since these discontinuities may cause some reflection, 

resonance and radiation, the interaction of them may not be all included into the basic 

segments.  

 

4.3.1 One pair of vias 

       Fig. 4.9 shows a picture of a structure with one long diffential via pair with realistic 

discontinuities. The structure is similar to the one shown in Fig. 4.3, except this structure 

includes a via escape trace on layer 23 and connectors on ports 1 and 2.  Fig. 4.9 (a) 

shows the complete model, while Fig. 4.9 (b) shows the exploded view. The cascade 

approach splits this model into 3 parts. The first part part is considered the top part that is 

created by splitting the model on the middle of GND2. The top part includes a connector 

feed-in and via pad). The second part is the middle part that consists of a set of vias that 

is modeled as eleven GND-GND segments, similar to what was done in in Fig. 4.3. The 

third part is the bottom that includes a full section with the via escape later on layer 23.   

The signal vias in this case stop at layer 25 to represent the effects of a very short hanging 

via stub. The top and bottom parts includes discontinuities. The ports in this case are 
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numbered in a similar manner as in Fig. 4.3. Note that and this structure could have been 

divided into four sections, but three sections was sufficient in order to demonstrate the 

efficiency and accuracy of the Cascade Method. 

       The amplitude and phase of insertion loss and FEXT comparison for Cascade 

Method and full-wave via simulation of the entire structure are shown in Fig. 4.10 - Fig. 

4.13. The results in this case are a bit different from the previous case. Some differences 

between the results  are observed. The difference in the insertion loss amplitude results 

for  occur at both low frequencies (from 3GHz to 9GHz) and high frequencies (13GHz to 

20GHz). Below 13GHz, the maximum difference is around 0.07dB at 6GHz. The 

amplitude and phase of FEXT; however, for both cases agree well over the entire 1GHz 

to 20GHz frequency range. 

 

 

 

(a) Full length of differential vias       (b) Exploded view 

Fig. 4. 9 One pair of full-length via simulation with discontinuities 
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Fig. 4. 10 Amplitude of insertion loss for one pair of vias with discontinuities 

 

    

 

Fig. 4. 11 Phase of insertion loss for one pair of vias with discontinuities 
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Fig. 4. 12 Amplitude of FEXT for one pair of vias with discontinuities 

 

Fig. 4. 13 Phase of FEXT for one pair of vias with discontinuities 

 

4.3.2 Deviation Source investigation 

       In order to locate the main cause of the difference in the results,  an investigation of 

the results computed by separating the model even further was conducted.  In the first 

model only the top and middle parts are simulated, as shown in Fig. 4.14. In the second 

model, only the middle and bottom parts are simulated, as shown in Fig. 4.15. The 
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insertion loss and FEXT comparison between the full-wave model and the Cascade 

Method for both these cases are shown in Fig. 4.16-Fig. 4.19. From these figures, we 

come to a  

 

                 (a) Full length model                            (b) Models for Cascade Method 

                               Fig. 4. 14 One pair of via model without the bottom part 

 

     

                           (a) Full length model                 (b) Models for Cascade Method 

                                   Fig. 4. 15 One pair of via model without the top part 
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(a) Amplitude 

 

(b) Phase 

Fig. 4. 16 Insertion loss of the model without the bottom part 
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(a) Amplitude                                                       

 

(b) Phase 

Fig. 4. 17 FEXT of the model without the bottom part 
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(a) Amplitude                                                       

 

(b) Phase 

Fig. 4. 18 Insertion loss of the model without the top part 
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(a) Amplitude                                                       

 

(b) Phase 

Fig. 4. 19 FEXT of the model without the top part 
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conclusion that the deviation is dominated by the discontinuities in the bottom part. The 

effects of the escape traces and the very short hanging stubs introduce additional radiation 

effects that are not accounted for in the insertion loss calculation. In this case, it is 

recommended that the bottom part structure include a few of the layers included in the 

middle section to increase the accuracy in the insertion loss calculation. The results do 

show that the Cascade Method predicts more loss at frequencies above 10GHz than does 

the full wave simulation. 

4.3.3 Boundary setting 

       The specifications of the unit cell boundaries in the Cascade Method is very 

important.   Fig. 4.20 and Fig. 4.21 compare the insertion loss and FEXT using the full -

via model and two different simulations using the Cascade Method. Note, that this is the 

most complex structure with discontinuities. In one of the Cascade models all the unit 

cells are split in the middle of the GND layer, while in the second Cascade model, the 

unit cells are split at the top of the GND layer. When splitting on the top of GND, the 

bottom boundary for top and GND-GND segment is set to PEC, as shown in Fig. 4.22. In 

this comparison, it is most interesting to see which Cascade Method approach compares 

better with the full wave simulation. The results show that the cases where the unit cell is 

split at the middle of the GND layer generally match the full wave simulations better.  

       Since we figured out that the deviation mainly comes from the escape trace,  moving 

the split layer for bottom part from layer 22 to the layer above may obtain some 

bandwidth improvement. However,  Fig. 4.23 and Fig. 4.24 show an opposite trend, 
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which include the comparison to full length via simulation with the split layer for bottom 

part moving to layer 22, layer 20, layer 18 and layer 16.  

 

(a) Amplitude                                                       

 

(b) Phase 

Fig. 4. 20 Insertion loss comparison of full length via model and cascade method splitting the 

boundaries on middle of GND and on top of GND 
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(a) Amplitude                                                       

 

(b) Phase 

Fig. 4. 21 FEXT comparison of full length via model and cascade method splitting the boundaries on 

middle of GND and on top of GND 
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Fig. 4. 22 Model side view in cascade method when the boundary is split 

 

 

     (a) Amplitude 

 

(b) Phase 

Fig. 4. 23 The Insertion Loss comparison when splitting on the middle of GND22/20/18/16 
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(a) Amplitude 

 

(b) Phase 

Fig. 4. 24 The FEXT comparison when splitting on the middle of GND22/20/18/16 
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4.3.4 Two pair of vias 

        More complex cases with two pairs of vias have the similar characterization as the 

one pair of vias. Applying the Cascade Method to two pairs of vias are presented in the 

examples. 

4.4 Complex Via Simulation Example 

        The accuracy of the Cascade Method for via simulation has been proved in Section 

4.2 and Section 4.3. By using this method, the computation of insertion loss and crosstalk 

is the combination of several basic structures. Two examples of a intricate mid-plane 

layouts are  presented here to show how to implement this Cascade Method and the 

tremendous time savings.  

        Consider the model shown in Fig. 4.6 with two pairs of vias. In this section two 

different cases based upon this model are in considered.  In each case there is one victim 

and one aggressor for differential channels. For case 1, the victim escapes on layer 23, 

and the aggressor escapes on layer 15. For case 2, the escape layer for both victim and 

aggressor is on layer 23. Fig. 4.25 shows the full -length via simulation model used in  

HFSS for case 1 and the model used in the Cascade Method. Fig. 4.26 shows the full-

length via simulation model for case 2 and the model used in the Cascade Method. 

         In the models for the Cascade Method for case 1, besides the split models 

mentioned in [51], we can further split the bottom part into even smaller segments. So 

that the results of any two pairs of vias escaping at the different layers can be obtained 

without more segments or parts simulation. The bottom 1 in [51] is split into escape1 
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(split between GND 14 and GND 18), which includes the via escape traces on layer 15 

and the small via stub after backdrilling,. This is followed by one pair of via GND-GND 

segment (split between GND 18 and GND20) and then escape2 (includes GND22 and 

below), as shown in Fig. 4.25 (b). The schematic connection in ADS is shown Fig. 4.27. 

This figure shows how the basic segments can be easily and flexibly applied to the 

combinations escaping layers of two pairs of vias are on the different layers.  For 

example, consider a case where the  the victim line escape layer is on layer 29, and the 

the aggressor escapes on layer 11. No additional HFSS simulations are needed,  since 

only the appropriate  [S] matrices  must be arranged cascaded in  ADS as shown in  Fig. 4. 

28 to obtain  accurate insertion loss up to 6GHz and FEXT up to 20GHz. 

        Fig 4.29 shows the ADS schematic for case 2. For case 2, we only need to simulate 

another bottom part--bottom2 to create the necessary[S] matrix library for the Cascade 

Method. The results will be the cascade of the S matrices with the order of top, two pairs 

of GND-GND segment (10 times) and bottom2 (escape), as shown in Fig. 4. 29. It can 

apply to the combinations for the escaping layer of two pairs of vias on the same layers. 

The time comparison for both methods and both cases is shown in Table 4.2.  

        The simulated results of 2 cases for both methods are shown in Fig. 4. 30-Fig. 4. 33. 

The amplitude of insertion loss for both cases agrees well with the full-length via 

simulation at low frequencies up to 6GHz, and start to deviate when the frequency goes 

to higher. The amplitude of FEXT and phases for both insertion loss and FEXT in two 

cases agrees well from 1GHz to 20GHz.  
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        The cascade method can easily utilized to the cases with more aggressors. Its notable 

advantage of time reduction will be more obvious, which will dramatically decrease the 

product development time, save the cost and the quickly follow the market requirements. 

 

       

(a) Full length                                 

 

(b) Cascade method 

Fig. 4. 25 via model for case 1 
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                                     (a) Full length                        (b) Cascade method 

                                                          Fig. 4. 26 Via model for case 2 

 

 

Fig. 4. 27 Schematic connection for case 1 in ADS 

 

 

Fig. 4. 28 Schematic connection for example in ADS 
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Fig. 4. 29 Schematic connection for case 2 in ADS 

 

                           Table 4. 2 The simulation time comparison for the example with  

                                              cascade method and full-length via simulation 

 

 Case 1 Case 2 

Model 

build 

Model 

simu. 

Model 

build 

Model 

simu. 

 

 

 

Cascade 

Method 

Top_2 pair 25 min 8 min -- -- 

GND-GND_2pair 

segment 

15 min 2 min -- -- 

Escape 1 30 min 35 min -- -- 

GND-GND_1pair 

segment 

10 min 2 min -- -- 

Escape 2 40 min 1 hour 25 min 2 hours 

Total time 120 min 107 min 25 min 120 min 

Full Length Total time 10 hours 6 hours 10 hours 23 hours 
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4.5 Conclusion 

        The accuracy of the cascade method for via insertion loss and FEXT modeling up to 

20GHz for both uniform structures and structures with discontinuity is verified in the 

paper. The bandwidth for insertion loss can go up to 20GHz for uniform via structures 

and up to 6GHz for structures with discontinuities. The bandwidth of FEXT is go up to 

20GHz for the via structures with or without discontinuities. The method dramatically 

decrease the simulation time and save the product development cost.   
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(a) Amplitude 

 

(b) Phase 

Fig. 4. 30 Insertion loss comparison for case 1 
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(a) Amplitude                                                             

 

(b) Phase 

Fig. 4. 31 FEXT comparison for case 1 




































