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ABSTRACT 

The electrical performance of high-speed, high 

density interconnect structures has been analyzed for 

commonly used integrated circuit packaging parameters. 

Several electrical parameter simulators are discussed. The 

SPICE model representation of transmission lines is 

developed and its performance is compared with the matrix 

method. 

Fanout (or branch) structures are modeled and 

simulated using the SPICE method. The performance of level 

1 multilayer interconnects are modeled and simulated using 

1.2 micron CMOS inverters. 

Electrical characteristics of buried, coupled 

microstiplines are characterizied and compared with 

"standard" microstriplines. The effect of "depth of bury" 

in buried, coupled microstriplines and their performance in 

integrated circuit packaging environments are discussed. 

xi 



CHAPTER 1 

INTRODUCTION 

Presently, due to advancements in semiconductor 

technology, both device densities and speeds have increased 

rapidly. At high-speeds, however, such interconnects no 

longer behave as a simple short circuits, but take on the 

appearance of transmission lines. Unless transmission 

lines are terminated properly, reflections can develop that 

might be of significant magnitude to produce false-

switchings or exceed maximum circuit voltage 

specifications. One may choose to solve the problem by 

increasing the density of the system. This, however, 

introduces the problem of "crosstalk". 

As the signal rise times become shorter than 1 

nanoseconds and interconnect densities on a single chip 

carrier approach 500 leads or more, careful electrical 

modeling of the packaging environment becomes essential. 

Designers are confronted with the practical problems 

imposed by the interconnect system which may degrade (or 

limit) the electrical performance of the device/system. 

Analysis of a high-speed, high density interconnect system 

involves complex mathematical models, therefore, a battery 
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of specific electrical performance/analysis software tools 

needs to be developed to provide designers with support. 

In order to characterize the electrical performance 

of integrated circuit packges, one has to calculate the per 

unit length capacitance [C], inductance [L], conductance 

[G], and resistance [R] matrices. To calculate these 

parameters, Maxwell's equations have to be solved in three 

dimensions with appropriate boundary conditions. Applying 

the TEM approximation (i.e. all charges and currents are on 

the surface of the infinite conductivity a conductors) and 

assuming that in the third dimension that the structure is 

infinitely long, Maxwell's equations reduce to 

Poisson's/Laplace's equation. Although simple 

configurations may be solved analytically in two dimensions 

by techniques such as conformal mapping, serious technical 

problems are developed due to the presence of dielectric 

boundaries which place constraints on the electric fields. 

Thus, a numerical technique needs to be developed. 

Once the electrical parameters have been 

calculated, a transmission line model has to be developed. 

Lossless transmission lines have been discussed extensively 

in the microwave engineering literature. Solving partial 

differential equations with appropriate boundary conditions 

involves serious technical problems due to non-linear 

boundary conditions. Therefore designers are using 



electrical circuits to represent transmission lines (i.e. 

SPICE, Matrix methods, etc.). However, these techniques 

have their own advantages and disadvantages when 

implemented as a software tool to simulate high-speed 

interconnects. Thus, these models should be selected 

according to their specific applications. 

The increase in the number of . interconnects 

requires the interconnect geometries to move from standard 

stripline and microstripline configurations to buried 

microstriplines in order to save the package real estate 

without degrading the electrical performance. To use such 

buried microstiplines, the electrical parameters have to be 

characterized to analyze the trade-offs in the performance 

of microstrip and of buried microstriplines. 



CHAPTER 2 

TEM PARAMETER CALCULATORS 

In order to analyze the electrical performance of 

integrated circuit packages in the TEM approximation, one 

has to characterize the interconnect by the per unit 

length (PUL) capacitance [C], inductance [L], conductance 

[G] and resistance [R] matrices. in the event that only 

lossless transmission lines are to be investigated, the 

problem is reduced to determining capacitance [C] and 

inductance [L] matrices only. To find the [PUL] per unit 

length electrical parameters, time dependent Maxwell's 

equation - in three dimensions must be solved for 

arbitrarily complex packaging geometries. In the TEM 

approximation, Maxwell's equations reduce to solving 

Possion's/Laplace"s equation in the zero frequency limit 

(i.e. all charges and currents are on the surface of the 

infinite conductivity a conductors) with the appropriate 

boundary conditions. However, in the two dimensional 

approximation only those structures which possess 

symmetry such that they may be represented as being 

infinitely long in one of the three dimensions are 

considered [1]. 

Although simple configurations may be solved 
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analytically in two dimensions by techniques such as 

conformal mapping, serious technical problems develop due 

to the presence of dielectric interfaces. Numerical 

techniques need to be developed. Several numerical 

techniques exist which are widely utilized to solve this 

type of elliptic partial differential equations, such as 

the finite difference method [FDM] [2], the finite element 

method [FEM] [3], the variational method [VM] [4], the 

spectral domain methods [SDM] [5], and the method of 

moments [MOM] [6] and the semi-analytic Green's function 

method [GFM] [7]. 

2.1 Semi-Analvtic Green's Function Method r11 

This particular method of determining - the short 

circuit capacitances for a system of conductors is based on 

Week's [8] method. Presently, due to the availability of 

applicable Green's functions, this method has been 

developed for three special cases. These are: case (1) N-

conductors between two infinite ground planes with one 

dielectric present, case (2) N-conductors, one finite 

ground plane and one dielectric interface, and case (3) N-

conductors, one finite ground conductor, and one dielectric 

interface. The semi-analytic Green's function approach to 

systems comprised of more than two dielectric layers, 



involves extremely complicated Green's functions. For N 

dielectric layers the Green's function contains N2 

expressions and N-l infinite series terms. Therefore, an 

algorithm based on this technique will become 

computationally expensive. The charge density on the î *1 

conductor is denoted by W^(r') where r' is the vector 

sepecifing the coordinates on the conductor surface. The 

charge on any conductor is the integral around the boundary 

of the conductor. 

Qi = wi(r') dr' (2-1) 

Joundary 

The total charge must fulfill the electroneutrality 

condition, 

m m 
0 - S Qi = 2 

i=l i=l 
Wi(r') dr' (2-2) 

Boundary 

where m is the total number of conductors present. The 

potential <p(r) due to the charges on all of the conductors 

can be written in the form of an integral, 

m 
0(r) = #o + S 

i=l 
Gi(r,r')W£(r')dr' (2-3) 

Boundary 

where Gi(r,r') is the Green's function for the appropriate 

case, r represents some position vector in the two-



dimension sub-space, r* is the position vector along the 

charge density surface and <#>0 is a reference potential. 

0(r) should satisfy the appropriate boundary conditions for 

the problem. The three pertinent Green's functions may be 

found in reference [7]. 

Once the charge density on the surface of the 

conductors has been determined by suitably discretizing the 

equation (2-3) and solving the resulting set of linear 

equation 2-3, the short circuit capacitance matrix [C] may 

be evaluated by determining the charge per unit length Qi 

on conductor i 

Qi = cil V1 + ci2 v2 + ••• + cii vi + • • • + cim vm 

m 
Qi = ^ cij Vj (2-4) 

due to the potential of 1 volt on conductor j. Thus to 

determine C12, we calculate the charge per unit length on 

conductor i=l due to a potential on conductor j=2 of Vj=l 

volt with all other lines set to zero volts. 

Using the properties of duality, we can determine 

the inductance matrix [L] by calculating the capacitances 

in the presence of no dielectrics [CQ] (with the assumption 

that we are not considering magnetic materials i.e., 

Hr = 1) . The inductance matrix is related to the matrix 

[C0] as 
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[L] = 
V2 

[Cn]"1 (2-5) 

where V is the propagation velocity in vaccum and [C0]-1 

denotes matrix inversion. 

2.2 The Method of Moments n-) 

An alternative approach is to use the free space 

Green's function in conjunction with the total charge on 

the conductor-dielectric interfaces. This formulation has 

the distinct advantage that an arbitary number of 

conductors together with arbitary number of dielectric 

interfaces can be handled, limited only by the storage of 

the computer resulting from the discretization of the 

conductor and dielectric interfaces. 

For any position r in the plane, the potential is 

due to the total charge on all conductors and dielectric 

interfaces and the image charge is due to a finite ground 

plane. The potential may be written as; 

0 (r) = 
2ire( 

N 
2 
j=l 

o^fr') In 
"|r - r' f  

1 

r 4
 

[ 

(2 -6 )  

where the sum extends over all conductors and N2 

dielectric interfaces where N = + N2* a<ji is the surface 

charge at r1 , r' is the position along the conductor 



surfaces and dielectric interfaces and r' is the position 

along the image of aT. If no ground plane is present, the 

numerator in the log term becomes 1. The electric field 

can now be determined as the negative gradient of the 

electric potential E(r) =- r) . 

Two sets of boundary conditions are needed to 

generate the necessary number of equations. The potential 

along each conductor i must be equal to for each 

discretized boundary element, and the displacement vector 

D(r) = e E(r) must be continuous across each dielectric 

interface. Since the boundary elements lie on either the 

dielectric or conductor boundaries, these conditions supply 

the necessary number of linear integral equations to 

determine all of cr^. The method of moments solution is 

generated by looking for solutions of the form [6] 

N 
crT(r) = S cTn Pn(r) (2-7) 

n=l 

where Pn(r) are unit impulse functions. Now the coeffients 

aTn can *>e determined. The dielectric interfaces will be 

truncated at a finite width (for numerical reasons) and all 

conductor and interface boundaries will be discretized into 

straight line segments. Once the geometry has been 

discretized, N linear equations in N(a^n) unknowns result, 

where the coefficients in the equations are integrals of 
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Green's function over the discretized boundary elements. 

The coefficients can now easily be determined. 

Once the <r<pU has been determined, where the 

superscript j now refers to that charge distribution 

resulting from exciting the jth conductor to 1 volt and 

keeping all other conductors grounded, the short circuit 

capacitance may be determined using the following 

expression: 

cij 
.60 

conductor i 

e(r) 
o>jp dii (2-8) 

e(r) is the relative dielectric just outside of the 

conductor i's surface and d]_£ is the differential boundary 

element along the i"1-*1 conductor. In similar fashion, the 

inductance matrix may be found by determining the [CQ] 

matrix. 

2.3 Resistance Model for SPICE Analysis 

For the SPICE analysis, the resistance in the lump 

is modeled as a dc resistance. 

Rdc 1 

= (2-9) 
1 a A 

Rdc 1 
= (2-10) 

1 a w t 
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where w is the width and t is the thickness of the 

conductor. 

The dc resistance calculated from the equation (2-

10) is used in the model and its value is independent of 

the signal rise time (or operating frequency). The ac 

resistance is calculated for the rise times of 1.0 and 0.1 

ns and compared with the dc resistance 

From rectangular wave guides [8], when t/w is less 

than 0.1 (true for all the cases investigated), skin depth 

6, the depth of the current penetration in the conductor 

perimeter can be approximated as rectangular. Therefore, 

the ac resistance is, 

Rac 1 

- . (2-11) 
1 2 [ S.w + (t—2S).6] a 

using equation (2-12) [9], 

fr = 0.385 (2-12) 
Tr 

for Tr = 1.0 ns fr = 3.5 * 109 Hz 

for Tr = 0.1 ns fr = 3.5 * 1010 Hz 

For copper conductors a = 5.85 * 105 (fl.cm)-1 and using 

the equation (2-13), we find that 

5 = (ir. |x0. f .a)"1/2 (2-13) 

5(1.0 ns) = 1.109 * 10-5 cm 

6(0.1 ns) = 3.508 * 10~6 cm 

For a 50 mils wide and 1.4 mils thickness conductor, 
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Rdc = 3*76 * 10~5 n/cm 

R(1.0 ns) = 5.87 * 10~3 n/cm 

R(0.1 ns) = 1.856 * 10"2 n/cm 

From the above results, for high-speed applications 

one has to model the resistance as a function of signal 

rise time. Note: the present SPICE lump structure only 

uses the dc resistance. 



CHAPTER 3 

TEH TRANSMISSION LINE SIMULATORS 

3.1 The SPXCE Method 

Figure 3.1(a) shows the circuit models used to 

compare the lumped and distributed appproaches to the 

calculation of the TEM-mode transient response on coupled 

transmission lines. Both model the driver as a voltage 

source with a series resistor. Other models could be used, 

but these were selected to simulate high-speed applications 

of integrated circuit packages. For simplicity no bond 

ribbons were modeled. The lumped model uses a resistor, 

inductor and a capacitor to represent the per unit length 

properties of the line. The capacitor and the resistor are 

determined by mutiplying the capacitance and the inductance 

per unit length by the incremental line length as shown in 

figure 3-1(b). The resistor is included to simulate the 

series line loss, if any, and is found by multiplying the 

dc resistance (or well developed skin depth surface 

resistance) per unit length by the lump length. Vi 

represents the voltage level after the i"1-*1 lump, Vo 

occuring after the source resistor. 

Figures 3.2(a) and 3.2(b) show the SPICE circuit 

models for two and three coupled lines respectively. Since 

13 
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Figure 3.1(a). Conventional lumped element, 

Figure 3.1(b). Distributed elements from uniform lines. 
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Figure 3.2(b). Three coupled lines lump representation. 



the lines are coupled, the coupling capacitance C^j and the 

mutual inductance K^j between the i*-h and jth lines are 

also included in the lumped model (section of a line). K^j 

is defined as the mutual inductance (L^j) divided by the 

self inductance (L^i)• 

The SPICE simulation of coupled TEM mode 

transmission line response uses a net listing file as an 

input file. The user specifies the operating environment. 

This includes specification of the line length 1, the 

number of lumps per unit lenth n, the number of coupled 

lines I, and all the pertinent electrical parameters which 

characterize the PWL (piece wise linear) properties of the 

line. An algorithm was written which supplies the SPICE 

input net listing file in the appropriate format for 

coupled transmission line analysis. For realistic 

simulations using common non-linear drivers and receivers, 

problems may occur. In this case, the net listing must be 

carefully configured. The net listings of the distributed 

lumped model node listings must start from the end node 

listing of the driver, and, the receiver's net listings 

must start from the end of the line. 

The user must make sure that every node in the 

SPICE circuit net model is labeled individually. Inductive 

paths to ground are forbidden. One should make sure that 

the transition time (the time increments used to discretize 



the differential equations) for the SPICE analysis is much 

smaller than the signal rise time. 

The hierarchy followed for making the SPICE net is 

as follows. First, the nodes on line one are numbered 

sequentially. Then the nodes on lines two and three are 

numbered. If sub-circuits are used as drivers or 

receivers, they are converted into sub-circuit files which 

are then used as inputs/outputs for the above numbering 

system. In figure 3.3(a) a sample numbering system for a 

single line is shown. 

In table 3.1, the input net listing file for this 

line system is given. In line one the input excitation is 

specified between nodes 1 (column 2) and node 0 (column 3) 

of the piece-wise linear (PWL, column 4) type. In line 

two, the source resistance Rs is specified between the 

nodes 1 (column 2) and nodes 2 (column 3) with its value 

specified in column 4. In line three, the transient time 

(.TRANS) is specified where the calculation discritizes the 

time interval into 0.05ns (column 2) for a total of 5ns 

(column 3). Lines 3 > n, specify the net of the lumped 

element transmission line. Column one specifies the 

passive element R (resistor), L (inductor), and C 

(capacitor). Column 2 specifies the starting node number 

and column 3 specifies the final node number adjacent to 

the lumped element. Its value is given in column 4 in 
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Figure 3.3(b). Voltage source, coupled lines and 
resistive termination. 



ohms, picofarads, and nanohenries respectively. 

In figure 3.3(b), a sample numbering system for 

coupled transmission line system is shown. In table 3.2, 

Table 3.1 SPICE Input File for Single Transmission Line 

Vin 1 0 PWL 

Rs 1 2 value 

.TRANS 0.05ns 5ns 

R1 2 3 value 

LI 3 4 value 

CI 4 0 value 

R2 4 5 value 

L2 5 6 value 

C2 6 0 value 

it ti ii It 

ti ii ii II 

ti ii ii II 

ii ii ii 11 

RL1 X 0 value 

.PLOT TRAN V(l), V(x) 

.PRINT TRAN V(l), V(X) 

.END 
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Table 3.2 SPICE Input File for Coupled Transmission Line 

Vinl 

Vin2 

RSI 

RS2 

.TRANS 

Rll 

Lll 

Cll 

R21 

L21 

C21 

C121 

K121 

1 

1001 

1 

1001 

0.05ns 

2 

3 

4 

1002 

1003 

1004 

4 

Lll 

it 

0 

0 

2 

1002 

5ns 

3 

4 

0 

1003 

1004 

0 

1004 

L21 

PWL 

DC 0.0 

value 

value 

value 

value 

value 

value 

value 

value 

value 

value 

RL1 

RL2 

x 

(1000+x) 

0 

x 

value 

value 

.PLOT TRAN V(l), V(1001), V( X ), V(1000+x) 

.PRINT TRAN V(l), V(1001), V(x), V(1000+x) 

.END 



the input net listing file for this line system is given. 

In line two, the input to the quiet line is specified 

between the nodes 1001 (column 2) and node 0 (column 3) of 

the DC type. Since the line two is quiet, its value was 

set to 0 volts dc. Lines 3 and 4 in the net specify the 

source resistance of the active and quiet lines 

respectively. From lines 6 onwards net represents the 

lumps of the coupled transmission lines. Prom lines 6 to 8 

represent the active line elements R^, Lii* and where 

the starting and final nodes are on column (2) and column 

(3) respectively. Similarly, lines 9 to 11 specify the 

quiet line elements R21/ 1*21/ ant* C21 where, again, their 

starting and final nodes are on column (2) and column (3). 

In line 12, the coupling capacitance C^2 is specified 

between node 4 (column 2) and node 1004 (column 3). In 

line 13, the mutual inductance K^2 is specified between the 

two self inductances of active line (column 2) and 

quiet line L22 (column 3) . The mutual inductance value is 

specified in column 4. In specifying the coupling 

capacitance and mutual inductance, the user has to make 

sure the node listing actually represents the polarity of 

C12 and K12* Once the distributed lumps are specified, 

loading resistance of active (Rli) and quiet (Rj^) lines 

are specified with starting and final nodes, and values on 

column 2, column 3, and column 4 respectively. 
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The algorithm creates a net listings file for one, 

two and three coupled lines with the user's information for 

the simulation automatically# thereby eliminating the most 

time consuming part of the SPICE simulation, creating the 

input file. Often in interconnect technology# one driver 

may have several fanouts loaded at different interconnect 

lengths. This problem is similar to a line having several 

branches (or stubs) loaded at different intervals with 

different line lengths. The algorithm creates the net 

listings for the above branch topology; but due to the 

complexity of creating the net listings, it is limited to 

10 branches on the active line and 6 branches on the quiet 

line. Often extra care must be taken in order to model 

the branches. This is because of the variations in the 

SPICE input formats (e.g. SPICE 2, HSPICE, and SPICE 3). 

One of the problems in using SPICE is to choose the 

proper number of lumps/cm. Obviously, the trade off is 

between accuracy and CPU time. Also, the number of 

lumps/cm will perform a filtering effect on the waveforms. 

From the dispersion relation,[8] 

Sin (kl/2) = w 7L0C0 (3-1) 
2 

where 1 is the lump length and w is the angular frequency, 

the group wave velocity is given by 



Vq  = dw = COSCkl/2) 
dk /L0C0 
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(3-2) 

From equation (3-1) 

k = — sin""1 
1 

w JT^q (3-3) 

It is clear from the dispersion relation that both 

the group velocity and the wave-vector are complex 

functions of the lump length, 1 as evidenced in equations 

(3-2) and (3-3) and the dispersion curve in figure 3.4. 

Thus different number of lumps/cm will have different 

filtering effects on the simulation. When using the SPICE, 

the user must be familiar with the filtering effect in 

order to see which spikes are due to the transmission line 

mismatches and which are due to the model's filtering 

effect. Several simulations were performed in order to see 

the electrical performance of the lines as a function of 

number of lumps/cm. 

A single distributed transmission line was 

simulated with a lump which consists of an inductance and a 

capacitance only. Here source resitance and load 

resistance are matched with the line impedance. Two 

different line impedances (85, 140 ohms), rise times (0.1, 

1.0 ns) and line lengths of 5, 10 cm were simulated. In 

table 3.3, a comparison between theoretical delays are 



Figure 3.4. Dispersion relation. 
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compared to the SPICE simulations delays. Where the 

theoretical delays are; 

Table 3.3 Comparison of Theoretical and SPICE simulation 

Line Delays 

LINE LINE RISE TIME ftd-tdfSP^ *100 
IMPEDANCE(H) LENGTH(CM) (NS) td 

85 5 0.1 -4.96 

85 5 1.0 l H
 

01
 
o
 

85 10 0.1 -9.73 

85 10 1.0 -17.62 

140 5 0.1 -8.69 

140 5 1.0 -22.23 

140 10 0.1 -12.65 

140 10 1.0 -24.83 

td = (line length) * J L C (3-4) 

and L, C are inductance and capacitance per unit length 

respectively. • where the SPICE delays are measured at the 

50 % of Vmax. 

These results are the same for 2 to 10 lumps per 

cm. It is clear that for shorter rise times (0.1ns) errors 



in distributed lumps are smaller than longer rise times 

(1.0ns). This is because, the model has a filtering effect 

which is a function of the operating frequency as explained 

by the dispersion relation. 

In figure 3.5(a), simulation results from the 

coupled lines of figure 3.3(b) with a line impedance of 85 

n, matched source and termination resistances are shown. 

It was found that for the matched case, the maximum 

crosstalk was found at the near end. Two different rise 

times (0.1, 1.0 ns) were simulated. For longer rise times 

(1.0 ns), crosstalk is almost constant as a function of the 

number of lumps/cm for 5 and 10 cm lines. For shorter rise 

times (0.1 ns), crosstalk is almost constant for 10 

lumps/cm and greater, for the line length of 5 cm. Longer 

line lengths (10 cm) show smaller deviations in crosstalk 

as a function of the number of lumps/cm. 

For integrated circuit package guide lines, three 

different line models are needed in order to represent the 

interconnects [9]. 

1. L < ^/104 Resistive model 

2. /VlO4 < L < ^/20 Lumped model 

3. L > ^/20 Distributed 
transmisson 
line model 



Where L is the line length 

"X(cm) - 84.30 * trfns) 
J £r' 

For er = 5.0 

^(O.lns) = 3.75 cm 

1.0ns) = 37.15 cm 

tr = 0.Ins >/20 = 0.1875 cm 

tr = 1.0ns Py20 - 1.875 cm 

From the above analysis, the line lengths of 5 cm 

and 10 cm, both have to be modeled as transmission lines. 

For 0.1 ns rise times, even a 0.1875 cm length will have to 

be modeled as a distributed transmission line. This effect 

can be seen in figure 3.5(a). For 0.1 ns rise time, the 

line meets the requirment of distributed transmission line 

only when number of lumps/cm is 6 or greater. While for 

0.1 ns rise time, the 3 lumps/cm line represents a 

distributed transmission line. 

In figure 3.5(b), simulation results for coupled 

lines with line impedance of 140 ohms, matched source and 

termination resistances are shown. Two different rise 

times (0.1, 1.0 ns) and line lengths of 5, 10 cm were 

simulated for a variety of number of lumps per cm. For 

slower rise times (1.0 ns) , crosstalk was almost constant 

as a function of number of lumps/cm for 5 and 10 cm line 
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(3-5) 
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Figure 3.5(a). LC lump, Zs = Zi = Zline = 85 n, 
crosstalk (near end) vs. number of 
lumps/cm. 
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Figure 3.5(b). LC lump, Zs = Z1 = Zline = 140 n, 
crosstalk (near end) vs. number of 
lumps/cm. 



lengths. Again, for faster rise times (0.1 ns) crosstalk 

is almost constant for 10 lumps/cm and greater# for the 

line length of 5 cm. Longer line lengths (10 cm) show 

smaller deviations in crosstalk as a function of the number 

of lumps/cm. 

In figure 3.6, resistance was included in the lump 

structure and coupled lines of 140 ohms were simulated with 

the matched source and termination resistors for the rise 

times (0.1, 1.0 ns) and line lengths of 5 cm. It is clear 

that including the resistor in the lump structure 

represents the transmission line better. This is because 

even for faster rise times, the deviations in crosstalk as 

a function of number of lumps/cm is smaller compared to the 

L and C only lump. For slower rise times (1.0 ns) 

crosstalk is almost zero. For faster rise times (0.1 ns), 

crosstalk is very small (1 mV) and deviations are smaller 

for 5 lumps/cm and greater. Note: Now, dispersion relation 

must include R. 

In figure 3.7, R, L, and C lump coupled lines of 

140 ohms were simulated with matched load resistance (140 

ohms) and 10 ohms source resistance for rise times (0.1, 

1.0 ns) and line length 5 cm. For slower rise times 

crosstalk is almost constant as a function of the number of 

lumps/cm. When the source or termination resistors are not 

matched with the line impedance, maximum crosstalk was 
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Figure 3.6. RLC lump, 2S = = Zline = 140 n,crosstalk 
(near end) vs. number of lumps/cm. 
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Figure 3.7. RLC lump, Zs = Z± = Zline = 140 n, crosstalk 
(far end) vs. number of lumps/cm. 



found at the far end. For faster rise times crosstalk in 

non-linear as a function of number of lumps/cm for 2 to 5 

lumps/cm, while crosstalk is almost constant for 6 lumps/cm 

and greater. 

In figure 3.8, The R, L, and C lumped coupled 140 

ohm lines were simulated with 10 ohms source resistance and 

10 ohms load resistance. Increasing the mismatches at the 

source and termination ends, increases the crosstalk. It 

is clear from figure 3.6, 3.7, and 3.8 that maximum 

crosstalk was found when the source and termination 

resistances were 10 ohms. For faster (0.1 ns) and slower 

(1.0 ns) rise times, crosstalk is almost constant only when 

the number of lumps/cm are greater than 4. 

From the above simulations, it is clear that 

choosing the number of lumps/cm is a challenge for the 

SPICE method. This is because not only does the result 

depend on the number of lumps/cm but also on rise times, 

line lengths, line impedances and line terminations. For 

rise times of 1.0 ns or greater, 4 lumps/cm is a good 

choice in the trade off between accuracy and CPU time. For 

faster risetime (0.1 ns or smaller)., and if it is an L, C 

lump, then at least 10 lumps/cm must be used for reliable 

results. If the lump structure consists of R, L, and C, 6 

lumps/cm is a good choice in the trade off between accuracy 

and CPU time. 
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Figure 3.8. RLC lump, Zs - Z]_ = 10 n, Zline = 140 n, 
crosstalk (far end) vs. number of lumps/cm. 



3.2 Matrix Method 

To simulate the transient response of the 

transmission line, the natural procedure seem to be a SPICE 

implementation of a lumped element line, but this may not 

be the most time efficient procedure to follow. The only 

advantage to using SPICE is the ability to implement non

linear drivers and receivers. 

Another more efficient technique [10] which we will 

call the matrix method, is applicable to N coupled lossless 

lines, with N linear time dependent near end voltage 

sources and termination resistors, and N linear time 

dependent far end voltage sources and termination resistors 

as shown in figure 3.9. 

The matrix method [10] relies on a transformation 

to effectively decouple the lines and determine an 

equivalant resistance matrix for the transmission lines. 

Since we can write the capacitance matrix [C] as 

[ Co ] = [ N ] diag[ an ] [ N ]fc (3-6) 

where [ N ] is the matrix of the eigenvectors of the 

eigenvalues an and diag [ an ] is the diagonal matrix of 

the eigenvalues of [ Co ], where "t" signifies the 

transpose, then 

[ Co ]-0.5 = [ N -j diag i [ N ]fc (3-7) 
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Figure 3.9. General N - coupled transmission lines. 
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This is due to the fact that [ C ] is a symmetric 

matrix. Then we can write the matrix product. 

[Co]~°-5[C] [Co]-0*5 - [W] diag 1 [Wjt (3-8) 
Vjcc 

Again, due to the symmetry, it can always be diagonalized 

and Vkc (c = speed of light) is the wave propagation 

velocity, and [W] is once again the matrix of 

the eigenvectors of the Vk eigenvalues. Now define the 

transformation matrix [ X ], 

[ X ] = [ Co ]"0.5 L w ] diag ( vk rC? ) (3-9) 

where are the eigenvalues found by diagonalizing 

[ C ]. The equivalant resistance matrix for the decoupled 

N-ports becomes 

-1 
(3-10) 

[R 3ij 

R"1- [[x-l]]* diag(vk7c£) [x]"1 (3-11) 

Once the resistance N-port for the transmission 

line has been determined, we need only to solve Kirchoff's 

laws for the resistive n-port at the termination resistors. 

li 
N 

JO 

S [R-lJij 
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However, only lossless lines and linear terminations are 

allowed. This method will be used to simulate the 

crosstalk on buried, coupled microstrips due to its fast 

computaion speeds when compared to the SPICE method. 



CHAPTER 4 

TRANSIENTS ON LOSSLESS TRANSMISSION LINES 

A TEM mode coupled transmission line was simulated 

using SPICE and the matrix method. Results were compared 

with measured values. A transmission line structure was 

selected which has a measured transient response [9]. In 

figure 4.1, a symmetric two line coupled microstrip 

transmission line is shown. The dielectric under layer 

(epoxy) has a relative dielectric constant of e r 2  =  3 . 3 .  

The line width was 5 mils, the line thickness was 1.4 mils 

and the line spacing was 15 mils. The minimum coupled line 

length was seven feet. Therefore it was assumed that the 

effective coupled line length was seven feet (i.e. 213.4 

cm) . 

In the SPICE implementation, we discretized the 

line into 2 lumps/cm and the simulation of 2 refelctions 

took on the average 36 minutes on a VAX 11-750 / VMS 

system. A comparison was made between results of SPICE, 

the matrix method and measurements. The matrix method [10] 

discretizes the time into 10 ps intervals and follows the 

wave for 20 nanoseconds. For the matrix method, a 

computation time of 12 seconds results for the identical 

structure (i.e. reduction in computation time of 10800) 

38 
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t O Z  C O P P E R  ACTIVE LINE 

QUIESCENT LINE 

mils 
BOARO tO"XtO' 

mils 

16 mils DIELECTRIC GLASS EPOXY 

ACTIVE LINE LENGTH =10 FT 
QUIESCENT LINE LENGTH *7 FT. GROUND PLANE 

Figure 4.1. Fabication of active and quiescent lines. 
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described above. 

Using our TEM parameter simulators (MOM and UAC), 

the relevant TEM line parameters were determined. 

Cj! = 0.427 pf/cm Cqh = 0.202 pf/cm 

c12 = 0*0^6 pf/cm C0i2 = 0.047 pf/cm 

Lii = 5.810 nh/cm = 1.340 nh/cm 

The characteristic impedance of each line is Zo = 

120 ohms. The line was excited by a 3 volt input ramp 

whose 0 to 3 volts transition time was 1.0 ns ( or a rise 

time of 0.8 ns). 

In figure 4.2 is shown the transmission line model 

of the two coupled lines, simulated for three different 

source and termination resistors on the quiescent line 

(quiet line) where RQn, RQf are the source (near) and 

termination (far) resistors respectively on the quiescent 

line. 

In all the figures, the "boxed in" wave forms are 

measurements. The transient response of the lines were 

plotted in figures 4.3(a) - 4.3(f). In the figures the 

straight line corresponds to the matrix method and the 

dotted lines are the SPICE simulations which uses two 

lumps/cm. Both SPICE and the matrix method used no losses 

in the simulations. It was found that both models seem to 

agree with the measured values in all the cases 
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QN rrfrr OF 

ntn 

QUIESCENT LINE (120&) 

ACTIVE LINE (!20fl) 

Figure 4.2. Circuit representation of the coupled 
transmission lines. 



Figure 4.3. Transient waveforms on a coupled transmission 
line. (b) - (f) Transient voltage waveforms 
on the quiescent line. Near end voltage 
VQ(0,t) and far end voltage Vg(l,t) for 
different termination resistances. 

(a) Signal line near end voltage waveform Vs(0,t) 
and far end waveform voltage VQ(l,t). 

(b) Matched lines Rq^ = RqF = 120 fi. 

(c) ^QN ~ 120 fl and RQP — 0 ft. 

(d) RQN = 0 fl and RQF — 120 f2. 

(e) RQN = 120 N and RQJ? = Open. 

(f) RQU = Open and RQP = 120 II. 
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investigated. 

Maximum far end crosstalk was found when the far 

end termination was open on the quiescent line. Maximum 

near end crosstalk was found when the near end was matched 

with the line impedance and the far end was open on the 

quiescent line. Results show the filtering effects in the 

SPICE simulation for all the cases. Similar analysis was 

performed using 1 lump/cm for the SPICE simulation (graphs 

are not shown here). The results showed that using 1 

lump/cm does not represent the transmission line well 

(results are very different from the measured values). 

Also in the SPICE implementation, 3 lumps/cm was selected 

for a single case (Rqh/ RQf were matched with the line 

impedance). The additional computation (CPU time) cost of 

an additional lump/cm was 10 minutes and there was not any-

significant changes in the wave forms. The only clear 

advantage in using SPICE is the ability to implement non

linear terminations. 

4.1 Fanouts (Branches^ 

Often, digital systems have interconnect structures 

where several receivers share the same driver and vice-

versa. These receivers (loads) are placed at different 

line lengths and each have different impedance at some 

operating frequency. High speed systems need special 



attention due to the transmission line behavior of the 

interconnects. One such cross-sectional structure is shown 

in figure 4.4. To simulate such a structure one has to 

model the interconnects using the SPICE method. The matrix 

method cannot be used to model fanout / fanin interconnect 

structures. Using the TEM parameter simulator (MOM), the 

relevant line parameters were determined. 

C11 = 0-469 pf/cm 

Lll = 5»64 nh/cm 

R = 1.24 fl/cm (modeled as a dc resistance 

as shown in chapter 2) 

An R, L, and C lumped structure was used for the 

SPICE simulation shown in figure 4.5. Three different 

termination (open, matched, and shorted) with a rise times 

of 0.1 ns for the voltage swing of 0 to 3V was simulated. 

Due to the symmetry in the fanouts, nine different 

combinations of the open, matched, and shorted terminations 

were investigated. When all the terminations (RA, RB, and 

Rq) were shorted there was no voltage on the nodes VA, Vg, 

and Vc. 

In figure 4.6, a lattice diagram for the above 

system was drawn [11]. On this diagram all the reflection 

voltages are the total line voltages (superposition) on the 

rest of the lines. Them's represent the reflection 
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Figure 4.4. Interconnect cross - sectional structure. 
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Figure 4.5. Circuit representation of fanout interconnect 
structure. 
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coefficients at the impedance discontinuities. 

= ( ZA // ZB // zc ) - zp = -0.5 
( ZA // ZB // ZC ) + zD 

62,A = 1ZB // Zc // Zp ) - ZA = -0.5 
(ZB // ZC // ZD ) + ZA 

6A,B,C = R fA.B.Cl - Z (A.B.C1 
R (A,B,C) + Z (A,B,C) 

In order to analyze a fanout structure, lattice 

diagrams and superposition of refected voltages are used. 

SPICE simulation results agree with the lattice diagram for 

all the cases investigated. Since the SPICE model has a 

resistance in the lump structure, due to the dc line losses 

there were slight differences in the final voltage levels 

when compared to the lattice diagrams. 

In figure 4.7(a), two of the terminations RA and Rg 

were matched with the line impedance while Rc was open (set 

at 10 Mil for SPICE simulations). For 100 cm line lengths, 

the theoretical delay is about 5.0 ns. Initially, a 3v 

wave travels on line D and at the discontinuity x, due to 

the reflection of -0.5, lines ZA, Zg, and Zq had 0.5v on 

them. The matched end terminations voltages VA and Vg 

settled to 0.5v, while the open end termination Vc settled 

to l.Ov. There was a 0.5v wave reflected on the open end 

termination which reflects back on the node x, causing the 



Figure 4.7. Waveform characteris-kics of fanout 
interconnect structure. 

(a) RA = RB = 120 n, RQ = Open. 

(b) RA = Rg = Rc = 120 n. 

(c) RA - RB = Open, Rc = 120 n. 

(d) RA = RB = RC = Open. 

(e) Ra = Rg = Open, R(j = 0 n. 

(f) Ra = Open, Rg = RC = 0 II. 

(9) RA = 0 11, Rg — R^ — 120 (1. 

(h) Ra = Open, Rg - 0 12, Rc = 120 II. 



1.10 

0.99 

0.88 

0.77 

0.66 

O 0.55 

0.44 

0.33 

0.22 

0.11 

0.00 
6.0 9.0 12.0 15.0 18.0 21.0 24.0 27.0 30.0 0.0 3.0 

Nanoseconds 



0.50 

0.45 

0.40 

0.35 

0.30 

0.25 

0.20 

0.15 

0.10 

0.05 

0.00 
0.0 3.0 6.0 9.0 12.0 15.0 18.0 21.0 24.0 27.0 30. 

Nanoseconds 



1.50 

1.35 

1.20 

1.05 

0.90 

0.75 

0.60 
RA = CO 

0.45 

0.30 -

0.15 

0.0 6.0 9.0 12.0 15.0 18.0 21.0 24.0 27.0 30.0 3.0 

Nanoseconds 



1.10 

0.99 

0.88 

0.77 

0.66 

o 0.55 

0.44 
RA =co 

0.33 

0.22 

0.11 

0.00 
6.0 9.0 12.0 15.0 18.0 21.0 24.0 27.0 30.0 3.0 0.0 

Nanoseconds 



1.10 

0.99 

0.88 

0.77 

0.66 

O 0.55 

0.44 

0.33 

0.22 

0.11 

0.00 
0.0 3.0 9.0 12.0 15.0 18.0 21.0 24.0 27.0 30.0 6.0 

Nanoseconds 
U1 



1.10 

0.99 

0.88 

0.77 

0.66 

m 

3 0.55 

0.44 

0.33 

0.22 

0.11 

0.00 
6.0 9.0 12.0 15.0 18.0 21.0 24.0 27.0 30.0 3.0 0.0 

Nanoseconds 
in (JI 



I 

0.50 

0.45 

0.40 

0.35 

0.30 

0.20 

0.15 

0.10 

0.05 

0.00 
9.0 12.0 15.0 18.0 21.0 24.0 27.0 30.0 0.0 3.0 6.0 

Nanoseconds 
Ul 
at 



1.10 

0.99 

0.88 

0.77 

0.66 

0.44 

0.33 

0.22 

0.11 

0.00 
6.0 9.0 12.0 15.0 18.0 21.0 24.0 27.0 30.0 3.0 0.0 

Nanoseconds 



voltage level at the matched terminations to increase to 

0.583v, and decreases the open end termination voltage to 

0.75v. The line Zq had -0.25v reflected on the open end 

termination, when returns to node x and after the 

reflection on the node x, increases the open end 

termination voltage to 0.875v and increases the matched end 

voltage to 0.624v. After 5 reflections (about 20 ns) the 

open end termination settled close to l.Ov while the 

matched termination VA and VB settled to 0.65v. 

In figure 4.7(b), all the terminations RA, RB and 

Rc were matched with the line impedance. Since all the 

terminations were matched with the line impedance there 

were no relections except at the impedance discontinuity at 

node x. The reflection coefficient at the node x is -0.5, 

resulting in 0.5v waves on each line. ZA, Zq and Zc. The 

voltage V^, VB and Vc was at 0.5v at all times after one 

delay time (5 ns) . In figure 4.7(c), two of the 

terminations R^ and Rg were open while Rc was matched with 

the line impedance. After the first reflection at node x 

each line had 0.5v. Since two of the terminations were 

open, both of them reflect 0.5v settling VA and VB to l.Ov 

and Vq to 0.5v. Two of these reflected 0.5v waves travel 

back to the node x, increasing the voltage at Vq to 0.667v 

while decreasing the open end termination voltages and 

VB to 0.833v. After 5 reflections the matched termination 
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end was at 0.9v and open end terminations were about X.Ov. 

In figure 4.7(d), all the terminations RA, RB, and 

Rc were open. Initially each line had 0.5v after the 

reflection at node x. Since all the terminations were 

open, the 0.5v wave reflects on each of these lines which 

reflects back on the node x again and decreases the open 

end termination voltage to 0.916v. After 4 reflections, 

all the open end terminations VA, VB, and Vc were close to 

l.Ov. In figure 4.7(e), two of the terminations R^, Rg 

were open and RQ was shorted. Initially each line had a 

0.5v wave which sets the open end voltages and VB to 

l.Ov. On the first termination end, each open end line had 

a 0.5v wave reflection while the shorted end line had -0.5v 

reflection. These reflected voltages travel back to the 

node x and due to the superposition of reflected waves, 

decreases the open end termination voltage to 0.75v. 

Finally the open end termination voltage settled to 0.77v 

after 5 reflections. 

In figure 4.7(f), two of the terminations Rg and Rc 

were shorted while RA was open. Initially each line had 

0.5v after the reflection at node x. Each shorted end line 

had a -0.5v reflection while the open end line had a 0.5v 

reflection at the termination end causing the open end 

voltage to increase to l.Ov. These reflected voltages, 

again travel back to the node x, decreasing the open end 



voltage to 0.38v. Finally the open end voltage settled to 

0.50v after 5 reflections. In figure 4.7(g), one 

termination, RA was shorted and RB, RQ were matched. 

Initially each line had 0.5v which sets the matched end 

voltages at 0.5v. Only one -0.5v wave reflects back from 

the shorted end termination. This reflected -0.5v travels 

back to node x and decreases the matched end termination 

voltage to 0.416v. Due to the shorted end termination and 

the impedance discontinuity at node x, the matched end 

voltage decreases after each reflection and almost settled 

to 0.33v after 5 reflections. 

In figure 4.7(h), one termination R^ was open, RJJ 

was shorted and Rc was matched with the line impedance. 

The open end line had 0.5v wave after the first reflection 

at the discontinuity x. The shorted end line had -0.5v 

wave reflection, which sets the matched end voltage to 0.5v 

and the open end voltage to l.Ov. These reflected voltages 

reflect back on the node x causing no change in the matched 

termination end. This is because at node x both shorted 

and open end terminations produce the same wave on the 

matched line. The open end termination voltage deceases to 

0.66v. After 5 reflections the matched termination was at 

0.44v and the open end termination was at 0.62v. 

The above analysis of fanout loading effects 

indicates that the loading conditions play a major role. 



Often, large scale digital systems require fanin/fanout 

interconnect structures. Here one has to make sure that 

the timing of the fanin's/fanout's circuit meet the 

receiver's/driver's timing requirments. Lattice diagrams 

with the superposition of reflected waves can be used to 

estimate the delays on these interconnects. It was found 

that different loading conditions on one of the fanouts 

change the wave characteristics on the rest of the fanouts. 

SPICE models show significant filtering effects, especially 

for sudden voltage changes. This technique shows the 

suitability of the SPICE model to this geometrical 

configuration. Now non-linear receiving point impedances 

can be simulated as drivers/receivers of the fanout/fanin. 

4.2 Crosstalk in 1.2 Micron CMOS Process 

Presently, the interconnect systems no longer 

behave as simple short circuits in determining VLSI 

performance, but take on the appearance of transmission 

lines. The multilevel (two metal layers) interconnection 

system of 1.2 micron CMOS process is modeled and simulated. 

Figure 4.8 shows the standard double metal layer 

configuration. Ml is the first metal layer and M2 is the 

second metal layer. All the units are in microns and s is 

the spacing between the conductors. 

Using our TEM parameter simulator, the relavent TEM 
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line parameters were determined. In order to model this 

configuration, a three dimensional parameter calculator is 

necessary. Several assumptions were made in order to model 

this configuration using our two dimensional parameter 

simulator. It was assumed that all the dielectric 

interfaces are planar and that the silicon is a perfect 

conductor (ground plane for the microstrip is at the 

silicon-silicon dioxide interface). Actually silicon is a 

semi-conductor which has dielectric losses. A comparison 

was made between the measured values and the parameters 

calculated [12]. The driver and receiver characteristics 

of 1.2 micron CMOS device parameters were included in the 

inverter sub-circuit file for the SPICE simulation. In 

figure 4.9(a) and 4.9(b) are the two and three coupled 

lines used for modeling the metal interconnects 

respectively. Intially, a 3 cm long line was excited by a 

linear voltage source of rise times of 0.1, 0.5 and 1.0 ns, 

with linear terminations in order to see how significant 

the crosstalk was as a function of line spacings and signal 

rise times. conductor widths are 1.6 microns for metal 1 

and 2.0 microns for metal 2. The thickness of both metals 

was 0.4 microns. Four lumps/cm were selected for all the 

SPICE simulations. 

In figure 4.10, metal 1 - metal 1 parallel lines 

were simulated for the rise times of 0.1, 0.5, 1.0 ns and 



64 

3 cm 

LINE I (40X1) 

LINE 2 (40A) IMJI 

4 Oil !40fl 
ntn 

rrm /it// 

I Mil 

LINE 1 (40£1) 
±Mnl 

LINE 2 (40 £1) 

LINE 3 (40£2) 
/̂[*C±)Vln3 

Figure 4.9. Circuit representation transmission lines. 
(a) Two coupled lines. 
(b) Three coupled lines. 



120 

METAL 1-METAL 1 
/ = 3cm 110 

> 100 Tr= 0.1ns 

B 90 
in 
in 

T,-0.5ns 80 TJ 

5 70 
Tr = 1.0 ns 

60 

50 
1.0 1.6 2.0 1.1 1.2 1.3 1.4 1,: .8 .9 

Spacing (microns) 

Figure 4.10. Near end, metal 1 - metal 1, crosstalk vs 
interline spacing. 



66 

110 

METAL 1-METAL 1 
Z = 3cm 

100 

r,= 0.5 ns 
g 90 

W 80 

rr= 1.0ns 
70 

LU 

60 

50 
2.0 1.8 1.4 1.5 1.6 

Spacing (microns) 
1.0 1.3 

Figure 4.11. Far end, metal 1 - metal 1, crosstalk vs. 
interline spacing. 



spacings of 1.2 to 2.0 microns. For 3 cm line length, 

maximum crosstalk was found at the near end. As expected 

the crosstalk increases as the rise time decreases. In 

figure 4.11, the metal 1 - metal 1 parallel lines crostalk 

at the far end was plotted. Crosstalk was almost linear as 

a function of spacing. Unexpectedly, maximum crosstalk was 

found for the rise time of 0.5 ns. This is because of the 

filtering effects due to the SPICE lump structure where 

large sharp pulses are widened with a change in the maximum 

voltage level resulting while conserving the area 

(increases the time duration while decreases the maximum 

voltage level from the resulting convolution). 

In figure 4.12, metal 2 - metal 2 parallel lines 

were simulated for the rise times of 0.1, 0.5 and 1.0 ns, 

and spacings of 1.6 to 2.6 microns. Again for the line 

length of 3 cm maximum crosstalk was found at the near end 

and it was about twice the value of metal 1 - metal 1 

parallel lines for the same spacings and rise times. This 

is because of increase in c12 value and decrease in C^ 

value compared to the metal 1 - metal 1 lines. Maximum 

crosstalk was found for the 0.1 ns rise time as expected. 

In figure 4.13, crosstalk at the far end was plotted as a 

function of spacing. Far end crosstalk almost linearly 

decreases as the spacing increases. Again, it was found 

that maximum crosstalk occurs for the rise time of 0.5 ns 
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due to the reasons explained earlier. 

In figure 4.14, three coupled lines were simulated 

for the metal 1 - metal 1 - metal 1 lines, rise times of 

0.1, 0.5 and 1.0 ns and a line length of 3 cm. Maximum 

crosstalk was found at the near end and plotted as a 

function of spacing. Crosstalk as a function of interline 

spacing was non-linear in all of the regions. For spacings 

greater than 2.0 microns, crosstalk was small (about 90 

mV). As expected, crosstalk increases with decreasing 

signal rise time. Influence of an additional driving line 

(line # 3) increases the crosstalk. Comparing figure 

4.9(a) and 4.10, for 1.2 micron seperation, crosstalk 

increases about 74 % due to an extra neighbouring active 

line. 

4_i_2 Non-Linear Receivers 

In figure 4.15, a 3 cm coupled line was simulated 

with the 1.2 micron CMOS inverter as a load on the active 

line. Four 1.2 micron CMOS inverters were placed at equal 

distances (1 cm seperation) on the quiet line. Using our 

TEM parameter simulator, all the relevant parameters were 

calculated for the worst case: 1.2 micron spacing between 

metal 1 - metal 1 configuration. The active line was 

excited by a 5 volts linear voltage source whose rise time 

was 0.1 ns. 
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In figure 4.16, all the inverter's (Vqi, VD3» 

VD4 and VDs) output voltages were plotted as a function of 

time. Crosstalk on the quiet line was so small that there 

were no false switchings at any time. Unexpectively, the 

inverter on the active line as a load had significant 

ringing (due to the impedance mismatch at the .^rmination 

end) that causes the inverter to have false switching 

after the first reflection as shown. To determine the 

false switching due to the mismatches, the following 

simulations were performed. 

In figure 4.17, a single line with line lengths of 

0.1 cm to 3 cm excited with signals of rise times 0.1ns and 

0.5ns using 1.2 micron CMOS inverter as a load was 

simulated for a metal 1 interconnects. The line impedance 

was about 40 ohms. It was found that for a 0.5 ns rise 

time that the inverter started to have false switching at a 

line length of 2.75 cm as shown in figure 4.18. The turn 

on voltage for the 1.2 micron CMOS inverter was in the 

neighbourhood of 2.5 volts. On the second reflection (due 

to the impedance discontinuity at the termination end) the 

output voltage of the inverter went up to 2.7 volts. For 

smaller lengths (line lengths smaller than 2.75 cm), even 

though there was no false switching, one has to make sure 

that the ringing (spikes of less than 2.5 v) does not cause 

large current spikes which may degrade the performance due 
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to the increase in power dissipation. 

In figure 4.19, a single line with line lengths of 

0.1 to 3 cm excited by signals of rise times 0.1ns with 1.2 

micron CMOS inverter as a load was simulated for metal 1 

interconnects. The line impedance was about 40 ohms. It 

was found that decreasing the rise time decreases the 

critical line length where the inverter starts to have 

false switching. For a 0.1 ns signal rise time, at line 

length of about 0.9 cm, the inverter started to have false 

switching. For a line length of 3 cm with excitation 

signals of 0.1 ns rise time, the first and the third 

reflections had false switchings and the output voltages of 

the inverter were 3.7v and 2.78v respectively. 

As shown in figure 4.20, in order to conclude that 

the mismatches are causing the false switchings, a matched 

termination resistor of 40 ohms is placed at the receivers 

end of the line. Since the input impedance of a CMOS 

inverter is relatively high and is in parallel to the 40 

ohm resistor at the termination end, overall termination 

resistance was close to 40 ohms. The worst case was chosen 

as a o.l ns rise time with a 3 cm line length. Figure 4.21 

shows that there was no false switching at any time. 

Compare these results to figure 4.19, where a similar line 

was simulated with the same conditions except the matched 

termination resistor had false switchings for the line 
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length of 0.9 cm and greater. 

From the above simulations, at the present CMOS 

process level, the crosstalk on two coupled lines are not 

that significant for any false switching. The problem 

occurs when the lines are not properly terminated. From 

the. above results, it is clear that one has to model the 

multilevel interconnects using transmission lines and care 

must be taken in order to model the driving/receiving point 

impedances, paying careful attention to potential mismatch 

problems. 



CHAPTER 5 

CHARACTERISTICS OF BURIED MICROSTRIPLINES 

Microstrip and stripline transmission lines have 

been used extensively in connection with high-speed digital 

integrated circuits. Recently, due to the increase in the 

number of interconnects, designers are using buried 

microstriplines in order to accomodate a large number of 

interconnects without degrading the electrical performance 

of the package. The electrical characteristics of buried 

microstriplines are different from stripline and 

microstripline. Using our TEM parameter simulators, 

several design curves were generated. A comparison was also 

made between standard microstrips and buried microstrips. 

5.1 Single. Buried Microstriplines 

Initially,•for a single buried microstripline, the 

TEM parameter simulator UAC was employed. Due to the 

limitations in the dielectric boundary conditions at the 

interface, an additional simulation was used to compute Co, 

the capacitance/unit length with no dielectric present. 

The variational method requires only one simulation to 

calculate CQ and with an accuracy of 2 percent. 

Calculations using this method compare favorably with other 
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methods and measurements [1] and the variational method 

parameter extraction was selected for this study. 

The geometry of the single buried microstrip 

transmission line is shown in figure 5.1. The conductor 

lies above an infinite ground plane. The conductor has 

width w, and thickness t, where t/w should be less than 

0.50 for reliable results. The conductor lies a distance h 

above the ground plane. The total dielectric substrate 

thickness is H, and is assumed to be filled with an 

isotropic (possibly complex) relative dielectric constant 

er2. The region above the substrate is composed of a 

relative dielectric constant erl = 1.0 (air). In this 

investigation the following .ranges of the variables were 

selected [13] : conductor widths from 5 mils to 50 mils, 

thicknesses from 0 to 4.2 mils, substrate heights from 10 

mils to 63 mils and conductor heights from the ground plane 

from 10 mils to 63 mils. It was hoped that these ranges 

would span many commonly used configurations. The range of 

the substrate dielectric constant (er2) from 1.0 to 10.0 

was used in order to show the characteristics of "board 

material" or ceramic. Thus substrate dielectric constants 

of 3, 5 and 10 were selected to characterize the range of 

relative dielectrics. 

In figure 5.2, the capacitance with no dielectric 

present, was plotted as a function of the distance from the 
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ground plane h. Solid curves correspond to widths of 5, 

10, 20, 30, 40, and 50 roils and thicknesses of 1.4 mils. 

The single dotted curve corresporids to a width of 5 mils 

and 0 mils thickness. For ideal capacitors (no fringe 

fields) , CQ should be proportional to 1/h. It was found 

as the width of the conductor increases, less field is 

retained in the fringe field region and, therefore the 

parallel plate behavior begins to hold. For smaller widths 

(w < 10 mils) , more field is retained in the fringe field 

region, and the parallel plate behavior begins to fail. 

The effect of finite thickness t slightly increases the 

capacitance CG. 

In figure 5.3, 1/CQ was plotted as a function of 

the distance from the ground plane h. For an ideal 

parallel plate capacitor, the relationship would be linear. 

The simulation demonstrated that this was not true even for 

the widths of 50 mils and heights of the conductor from the 

ground plane h of 10 mils. This means that even for wide 

conductors, significant fringing occurs even as h 

decreases. For a given conductor height from the ground 

plane h, as the width decreases, more and more of the field 

is retained in the fringe field region and capacitance 

begins to deviate more from an ideal parallel plate 

capacitance. 

In figure 5.4, the capacitance normalized by the 



substrate dielectric constant er2 was plotted as a function 

of er2 for a substrate height of 20 mils, conductor 

thickness of 1.4 mils and a variety of widths and positions 

h. For small widths and layers buried deeply at h = lOmils 

(i.e. 10 mils of dielectric above and below the conductor), 

cl/er2 constant to a few percent. As the width 

increases (i.e. w = 50 mils) for small substrate dielectric 

constants (er2 < 3) , Ci/er2 is no longer constant as a 

function of er2. In figure 5.5, the same parameter was 

plotted for the substrate height of 63 mils. For the 

layers buried less than 20 mils from the ground plane, 

cl/er2 is almost constant as er2 varies. This means that 

almost all the field lines are trapped within the 

dielectric. As the strip approaches the surface (closer to 

the dielectric interface), more field starts to penetrate 

the dielectric interface and a non-uniformity is found. 

This effect of penetrating fields is a strong function of 

where the conductors are buried (h) and also a function of 

conductor width (w). 

In figure 5.6, the effective dielectric divided by 

the substrate dielectric constant £eff/er2' which is really 
• 

{Ci/C0)/er2# was plotted as a function of the depth of bury 

h for the two dielectric constants er2 = 3, 10, substrate 

thicknesses of 20 to 63 mils, conductor thickness of 1.4 

mils and width of 10 mils. This illustrates the effect of 
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the air dielectric interface. For deeply buried 

microstrips (i.e. h = 30 mils, and H = 63 mils), 6eff/er2 

is approximately one, implying that the field lines are 

within the dielectric. It was found that as the difference 

in the relative dielectric constant between the substrate 

er2 and over region increases, this situation worsens; 

thereby the difference between the er2 = 3 and er2 = 10 

curves. Other curves were generated but not included. The 

trends are as follows: as the conductor width increases, 

the difference between the er2 = 3 and er2 = 10 curves 

diminishes, indicating a more parallel plate capacitor 

like behavior confirming more field lines within the 

dielectric. Also as the width w increases, £eff/er2 begins 

to linearly decrease as a function of h, once again 

indicating more parallel plate like behavior. For smaller 

widths (w = lOmils), not much parallel plate like behavior 

is exibited at all, thus indicating that large fringing 

field components are present. 

Figure 5.7 illustrates the effect of finite 

conductor thickness on the capacitance Cj_. For a wide 

range of conductor widths and two extreme cases of H = 20 

mils and H = 63 mils, it was found for a change in 

conductor thickness from 0 to 4.2 mils, increases by 15 

%. One finds that the capacitance is almost a linear 

function of the thickness t, where that function appears 



similar for all cases investigated. There are almost no 

changes in Ci/er2 as the substrate thickness decreases and 

there are no significant increases in penetration of fields 

due to the increase in the conductor thickness from 0 to 

4.2 mils. 

In figure 5.8, the capacitance normalized by the 

substrate dielectric constant was plotted as a function of 

conductor heights h for a substrate thickness of 63 mils, 

1.4 mils conductor thickness, and a substrate dielectric 

constant of 5. Again the simulation results demonstrated 

that for conductors with large widths (w) and heights (h) 

not near the dielectric interface, a 1/h dependence of the 

capacitance characteristic of parallel plate behavior was 

found. When the conductors approach the dielectric 

interface, the perturbation is clear by the downward turn 

in these curves. These curves are nearly universal curves 

for all the substrate dielectric constants er2- For er2 = 

10, in the worst case of a conductor width of 10 mils and 

conductor height of 63 mils (standard microstrip), there is 

only a -7% difference in C^/er2 from the value found on 

figure 5.8. In figure 5.9, again Ci/er2 was plotted as a 

function of h for the conductor widths of 5, 10, and 20 

mils. Three different substrate thicknesses of 20, 30, and 

63 mils were selected. When the substrate thickness is 20 

mils, the deviation in Ci/er2 curve from the Ci/er2 curve 
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of 63 ails substrate thickness starts soon after the 

conductor height (h) exceeds 10 mils, indicating that the 

conductor is no longer deeply buried. The influence of 

substrate thickness (H) on the "deeply buried" behavior 

(almost all the fields are trapped within the substrate are 

deeply buried) depends on the conductor widths. For 

example, observe the curves of substrate thicknesses of 20 

and 30 mils, when the conductor width is 5 mils, the 

deviation in deeply buried behavior occurs for h = 10 mils 

while for larger widths (w = 20 mils) the deviation starts 

soon after h exceeds 5 mils. These curves illustrate the 

deviation due to the "deepness" of "bury" as a function of 

the packaging parameters. 

plotted as a function of conductor height h, for widths of 

5, 10, and 20 mils, conductor thickness of 1.4 mils, 

substrate heights (H) of 20, 30, 40, 50, and 63 mils and 

parameters and CQ are calculated, the characteristic 

impedance ZQ is calculated using equation (5-3), 

In figure 5.10, the characteristic impedance Zo was 

substrate dielectric constant of 2 Once the TEM 

V0 = 1/(L0C0) = (e0ut0)V2 (5-1) 

where Vo is the speed of light in vaccum. 

Z = J L/C 1 

Z = (CC0v02)-1/2 (5-3) 

(5-2) 
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These curves are characteristic of each set of curves for 

a different substrate dielectric constant. The only 

difference being that the magnitude of ZQ decreases as the 

substrate dielectric constant increases. When the width of 

the conductor increases, the characteristic impedance 

decreases as. expected due to the increase in and CQ. 

The effect of the depth that the microstrip is buried as is 

evidenced by the deviation of the ZD curves from the main 

curve as h approaches H. Also, it is clear that the 

deepness of bury varies as a function of the conductor 

widths. 

From the above analysis, it was found there exists 

a conductor height hc (critical height) where all the 

fields are within the dielecric. This critical height hc, 

depends on the packaging geometry and the dielectric 

constants. The conductors that are buried less than the 

critical height are deeply buried and those above are not 

deeply buried. 

5.2 Multilayer Coupled. Buried Micrstriplines 

In order to see the influence of over layer on the 

electrical parameters, a typical state of the art packaging 

geometry was selected. In figure 5.11, a general coupled 

buried microstrip line geometry is shown. The conductors 

are 0.7 mils thick and 5 mils wide, seperated by a distance 



96 

5-

a!i dimensions in mils 

Figure 5.11. Multilayer, coupled, Buried microstrip 
geometry. 

s=5 
•"» ^3=4.0 
s=20 
s=oo 

0.8 d=5 
d=5 

Til 

TI2 
0.2 

Figure 5.12. Two terminal capacitances CT^, CTi2 as a 

function of overlayer dielectric for 
substrate dielectric constant of 4. 



s mils ranging from 5 to 50 mils. The overlayer has 

dielectric constants er2 ranging from 1 to 5 and thickness 

(d) from 1 to 5 mils. The method of moments technique [1] 

is used to solve for the multiconductor-multilayer 

dielectric geometries because of its minimal storage 

requirements and global convergence properties. Complete 

anaysis of coupled buried lines and their characteristics 

will be given in chapter 6. 

In figure 5.12, two terminal capacitances C^n and 

CT12 were plotted as a function of the overlayer dielectric 

constant. • These absolute capacitance values are good to 

approximately five percent, but the trends are clearly 

illustrated. As expected when the spacing between the 

conductors approaches infinity, CT12 approaches zero. The 

two terminal capacitances C^n and Ciri2 increase linearly 

as a function of overlayer dielectric constant. As the 

conductor spacing increases, the two terminal capacitance 

CT11 increases. The absolute influence that the overlayer 

dielectric constant er2 has on Cij>i2 increases with 

decreasing interline seperation. The effect that er2 has 

on C»pn decreases with decreasing line seperation. For 

closer lines, there are more fields in the overlayer er2, 

as the separation increases, more of these coupling fields 

enter eri. 

Several design curves are illustrated for buried 



microstrip and shown conclusively that for all practical 

cases that there is significant variation between parallel 

plate like behavior for narrow lines and lines that are not 

deeply buried. 



CHAPTER 6 

MODELING AND SIMULATION OF COUPLED, BURIED MICROSTRIP LINES 

In this chapter, electrical characteristics of 

coupled, buried microstrip lines were obtained using a two 

dimensional TEM transmission line parameter simulator 

(MOM). From the analysis of chapter 5, it was found that 

there is a critical depth of bury hc, below which the lines 

appear to be within an infinite dielectric, and above which 

there is coupling to the polorization charge on the 

dielectric interface. In order to see how crosstalk varies 

with the depth of bury in coupled buried microstriplines, 

the TEM mode transmission line transient response 

calculator (matrix method) is used to calculate the maximum 

coupled noise. 

Parameter simulation and maximum coupled noise 

results are given for a wide variety of structures commonly 

used in integrated circuit packages. Geometries of lines 

investigated are [15] : (1) widths 'w' from 5 to 50 mils; 

(2) thickness 't' of 0.7 mils; (3) interline horizontal 

spacing 's1 between 5 and 25 mils; (4) substrate real 

relative dielectrics between 2 and 10; (5) substrate 

thicknesses 'H1 between 20 and 63 mils; and (6) depth of 

bury 'h' between 0 and H. The effects of cross-sectional 

99 
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shape on the coupling parameters are analyzed. Also a 

brief discussion of vertically seperated, buried coupled 

lines is given. 

Simulation of transmission line performance was 

done using both SPICE and a special purpose lossless 

coupled line solver developed for use in simulating pulse 

characteristics of coupled lossless lines. Results from 

the two techniques are identical, except that a 

computational speed increase of two to three orders of 

magnitude is realized by the special line solver over the 

SPICE transmission line solver as described in chapter 3. 

Several design curves for buried coupled lines were plotted 

for a few important commonly used packaging parameters. 

The cross-sectional geometry of coupled, buried 

microstrip lines are shown in figure 6.1. All the 

conductors, in the quasi-static TEM approximation, are 

assumed to have infinite conductivity, hence all of the 

charge resides on the conductor surfaces. There is an 

infinite ground plane above which the microstrip lines lie. 

The lines are within a dielectric substrate characterized 

by an isotropic, real, relative dielectric constant er2* 

The substrate has a thickness H, and is bounded above by 

air, such that eri = 1.0. The conductors lie a distance h 

above the ground plane and are parallel to the ground 

plane. The conductors have width 'w', thickness 't* and an 
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interline separation 's'. In all of the simulations, we 

will derive capacitance [C] and inductance [L] matrices. 

These matrices are symmetric. Since the physical system is 

symmetric (i.e. the physical dimensions of the two lines 

are identical), the diagonal elements of the matrix must 

also be identical. Thus, only two elements of the 2 by 2 

matrices will completely characterize the system, C(L)n 

and C(L)12 matrix elements. 

In figure 6.2, the capacitance normalized by 

the dielectric constant er2 is plotted as a function of 

dielectric constant er2 for a coupled system where the 

substrate thickness H = 63 mils, conductor thickness t = 

0.7 mils and interline seperation s = 5 mils for a variety 

of widths w and positions h above the ground plane. This 

illustrates how many field lines are coupled to the 

dielectric interface. If no field lines penetrate the 

surface, then Cn/er2 should be constant. This behavior is 

seen for deeply buried lines of small widths. As the 

conductor approaches to the surface, it couples to the 

interface. As the line width increases, more field lines 

are trapped above the conductor and penetrate the 

interface. Finally, as the dielectric constant of the 

substrate decreases, the boundary condition for the 

continuity of the normal displacement field at the 

interface is harder to satisfy, and hence, the curves are 
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not constant. Clearly, the critical depth of bury hc is 

both a function of the substrate dielectric constant er2 

and the conductor width w. Since the spacing between the 

conductors are 5 mils, the equipotentials circle both 

conductors, which forces more field lines to the surface. 

To illustrate the dependence of the critical depth of 

bury on separation, the normalized capacitance is 

plotted as a function of er2 for H = 63 mils, t = 0.7 mils 

and s = 25 mils for a variety of conductor widths w and 

positions h above the ground plane. As evident from figure 

6.3, the curves are more constant than those in figure 6.2 

for identical conductor positions h and widths w implying 

that the critical depth of bury hc is also a function of 

the line separation. An effective conductor width can be 

defined as that width which some equipotential line 

encloses. In the weakly coupled case the effective 

conductor width will be roughly half of the effective 

conductor width of the stongly coupled case. Hence we 

expect a weaker dependence of hc on conductor width for 

cases of large horizontal interline seperation. In the 

weakly coupled case, this is clearly evident from figure 

6.2, where moving the conductor towards the surface (h —> 

H) forces the curves to become non-constant. Similar 

behavior is observed in cases where the substrate thickness 

is 20 mils, however no data is included here for that case. 
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The coupling capacitance normalized by the 

substrate dielectric constant C12/er2 is plotted as a 

function of substrate dielectric constant in figure 6.4. 

Here, substrate thickness H = 20 mils, conductor thickness 

t = 0.7 mils, and spacing between conductors s = 5 mils. . 

c12/er2 *-s constant to a few percent for strips of small 

widths which are below the critical depth of bury. hc20 = 

12 mils (superscript defines substrate thickness H in 

mils). These strips are strongly coupled, and no field 

lines penetrate the surface interface. For larger widths, 

buried at the critical height, non-uniformity in the 

normalized coupling capacitance can be seen for low 

substrate dielectric constants. This implies that for low 

dielectric constants, the coupled field lines are 

terminating on the dielctric interface. Further, as h 

approaches H, more coupled field lines penetrate the 

surface, and the curves become non-linear as a function of 

er2 as expected. 

When the horizontal interline spacing (s) is 

increased to 25 mils, for the substrate thicknesses of 20 

mils, and conductor thicknesses of 0.7 mils, we find that 

c12/er2 curves are almost all non-linear as a function of 

er2 as is depicted in figure 6.5. Only for very deeply 

buried (h = 6 mils) and narrow width conductors (w = 10 

mils) is the line decoupled from the dielectric interface. 
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Thus# in the large interline spacing limit, the hc for the 

coupling capacitance C12, is reduced by a factor of two 

from the small interline spacing limit. This has important 

consequences in the determination of the coupled noise 

parameters of the lines. In the very deeply buried case, 

in the presence of a moderate dielectric constant (er2 > 

4), the lines will be capacitively coupled, while, even for 

deeply buried lines, as the interline spacing increases the 

coupling becomes inductive. There must be a trade-off 

between inductive and capacitive coupling in this scheme. 

In figure 6.6, the normalized coupling capacitance 

c12/er2 Plotted as a function of the dielectric constant 

er2 for a thick substrate H = 63 mils and a wide interline 

spacing s = 25 mils. The normalized coupling capacitance 

is constant to a few percent for almost all widths for 

conductors that are buried below the critical height (hc63 

= 45 mils), except where the width is on the same order as 

the height above the ground plane. 

The inductance matrix is closely linked to the 

capacitance matrix when no dielectric is present i.e. er2 = 

erl = In figure 6.7, the self capacitance with no 

dielectric present C0ii (er2 = 1*°) is plotted as a 

function of the distance above the ground plane h, for t = 

0.7 mils, s = 5 mils and a variety of widths w. For ideal 

capacitors we expect CQ to be proportional to 1/h, but for 
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Figure 6.6. Normalized coupling capacitance vs. £r2, H = 
63 mils, s = 5 mils. 
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the closely coupled case, s/w on the order of 1, this is 

not expected. The 1/h behavior of the capacitance is 

displayed only for large widths at small heights. This is 

sensible. If w/h is large, then most of the field lines 

are beneath the conductor, i.e. parallel plate like 

behavior. As the width of the conductor shrinks, the 

interline coupling capacitance has a more pronounced 

effect. This is shown schematically in figure 6.8 where 

the coupling capacitance with no dielectric present (Co12) 

is plotted as a function of positions h for the identical 

conditions cited above. In all cases, decreasing the 

conductor width increases the coupling capacitance, (i.e. 

more field lines are apt to land on the other conductor 

instead of on the ground plane). These curves exhibit a 

linear dependence on conductor heights when h > w, and non

linear behavior for h < w. 

The inductance to ground is plotted as a 

function of conductor height (h) for closely coupled lines 

s = 5 mils, t = 0.7 mils for a variety of widths w in 

figure 6.9. Once again, the self inductance seems to 

be linearly increasing for h > 20 mils, while exhibiting a 

non-linear dependence on h for h < 20 mils. This parameter 

exhibits the same behavior as Co1I, as it must. In figure 

6.10, the interline mutual inductance L12 is plotted as a 

function of conductor heights h for closely coupled lines, 
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s = Smils. For very small conductor widths (w = 5 mils), 

1*12 varies parabolically as a function of conductor 

heights. For large conductor widths (w = 25 mils), mutual 

inductance exhibits an almost linear increase as the 

conductor height above the ground plane h is increased. 

This is important because the dependence of coupling 

capacitance Ci2 on h is very different, resulting in 

complicated coupled noise properties for lines as the depth 

of bury h varied. 

The normalized self capacitance C1:L/er2 is plotted 

as a function of the position h above the ground plane in 

figure 6.11. In figure 6.12, the interline normalized 

coupling capacitance Ci2/€r2 als° given as a function of 

h. In both cases the substrate thickness H = 20 mils, er2 

= 5.0, t = 0.7 mils and various values of interline spacing 

s and width w are shown. For large widths, there is a 1/h 

(parallel plate like) dependence for Cn when h is small. 

This tendency is never exhibited for the w = 5 curves, 

implying rather large components in the fringing and 

coupling fields for these values of the parameters. The 

normalized coupling capacitance curves illustrate a complex 

behavior due to a number of effects. As the height above 

the ground plane increases, and the lines are below the 

critical value hc, the coupling capacitance increases where 

hc20 =9-10 mils. The rate of increase is more dramatic 
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for smaller widths due to the higher percentage of field 

contributing to the coupling capacitance for these lines. 

When the critical depth is approached, the coupling 

capacitance no-longer increases as it is now competing with 

the interface layer as the termination point for field 

lines. As lines approach the dielectric interface, the 

coupling capacitance begins to decrease for some of the 

field lines are being forced into vaccum. Once again, this 

effect is more dramatic for smaller width lines. Similar 

results were obtained for substrate thicknesses of 40 and 

63 mils. 

In figures 6.13 and 6.14 the normalized capacitance 

cll/er2 and normalized coupling capacitance are 

plotted as a function of the interline separation s 

respectively. In both cases, the substrate thickness is 20 

mils, er2 = 5.0 and conductor thickness is 0.7 mils. 

cll/er2 almost constant for s > 15 mils, as seen in 

figure 6.13. For small interline spacing and small widths, 

the effect is most dramatic. The capacitance increases as 

the interline spacing is decreased. From figure 6.14, the 

trend for decreased coupling capacitance with increased 

interline separation is exhibited. This is the expected 

result. Once again, similar observations were made for 

thicker substrates H = 40 and 63 mils. 

Finally, in figures 6.15 and 6.16, the self 
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inductance and mutual inductance L^2 are plotted as a 

function of interline separation s for t = 0.7 rails and h = 

20 mils for 40 mils substrate. The self inductance in 

figure 6.15 seems to be nearly constant as a function of 

t h e  s e p e r a t i o n  s  f o r  s  >  h  a s  i s  e x p e c t e d .  F o r  s  <  h  ( = 2 0  

mils), a slight decrease in inductance occurs due to the 

increase in capacitive coupling in this region. The mutual 

inductance shown in figure 6.16, decreases rapidly as 

a function of interline spacing s. This effect is more 

dramatic for smaller width lines due to the increases in 

the percentage of the field residing in the coupling and 

fringe components. 

6.1 Buried. Coupled Trapezoidal Shape Microstriplines 

In all of the coupled, buried microstrip lines 

discussed above, the cross-section was rectangular as 

indicated in figure 6.1. Extensive analysis was performed 

for lines whose cross-section was not rectangular. In 

figure 6.17, a trapezoidal shape cross-section of lines is 

shown where the top and bottom surfaces are still parallel, 

but where the top surface is smaller than the bottom 

surface so that the sides of the line must be tilted at 

some angle a less than 90 degrees. For a substrate 

thicknesses of 40 mils, substrate dielectric constant (er2) 

of 5.0 and conductor thickness of 1.4 mils the trends are 
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as follows. For smaller separations (s < 10), as the angle 

of the line decreases from 90 to 45 degrees, the normalized 

coupling capacitance Ci2/£r2 decreases almost linearly. 

Reductions of the coupling capacitance by 22 % and 26 % 

result with a tilt angle of a = 60 and a = 45 degrees 

respectively when s = 2 mils, h = 5'mils (deeply buried) 

and w = 5 mils. When the width of the conductors is 

increased to 20 mils, while s = 2 mils and h = 5 mils, the 

coupling capacitance is only reduced by 13 % and 19 % for 

the tilt angles (a) of 60 and 45 degrees respectively. 

This trend is due to the increased average effective 

seperation (s) due to the tilt of sides of the conductors, 

even through the effective surface area between the 

conductors is increasing. For strips not so deeply 

buried, h = 30 mils (i.e. above the critical depth of bury, 

where hc40 = 12 mils) , the same trend is observed but the 

reduction is at a much slower rate. For strips which are 

widely separated, s > 10 mils in this case, no effect on 

coupling capacitance is realized as the tilt angle is 

changed. 

6.2 Crosstalk in Coupled. Buried Microstriolines 

The transient step response was simulated using the 

TEM mode lossless transient response calculator. A circuit 

representation of the transmission line system is shown in 
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figure 6.18. There are two coupled lines, one active line, 

line # 1, and one quiescent line, line # 2. The lines are 

of equal length, which was arbitrarily selected to be 10 

cm. The voltage source excitation is a linear voltage 

ramp, i.e. the voltage increases linearly over the period 

of Tr until the voltage level reaches 1 volt, after which 

it is constant. In this investigation only two rise times 

were investigated, which are meant to be representative of 

current circuit speeds, Tr = 1.0 and 0.1 nanoseconds. 

Arbitrary termination resistive, time dependent networks 

can be used, but here we selected only two cases of 

interest. RA1 is always selected to match the line 

impedance. In one case all other resistors are also 

selected to match the line impedance, where as in the 

second case, all the other resistors are open cicuits 

(10 M 0 was used for open circuit model). 

Presentation of all of the simulation results for 

the selection of electrical parameters for all of the lines 

given above would be too expansive. Therefore, a specific 

set of data was selected, whereby H = 20 mils, er2 - 5.0, t 

= 0.7 mils, s = 5, 10, 25 mils and w = 5, 25 mils. 

In figure 6.19, maximum voltage levels of coupled 

noise, crosstalk, is plotted as a function of the conductor 

position h, the depth of bury, for the coupled lines 

described above. For the matched case, the maximum coupled 
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noise occurs at the near end of line # 2 and is almost the 

same in magnitude for the rise times of 1.0 and 0.1 ns. As 

expected, the lines with larger coupling capacitances (C12) 

(for narrow widths and small seperations), have larger 

coupled noise values. The crosstalk increases rapidly 

until the conductor height approaches the critical depth of 

bury (h > hc20 = 9 to 10 mils) . When the conductor 

height (h) exceeds hc (critical height), the rate of 

increase in crosstalk is not as rapid. This is sensible in 

light of the fact that the coupling capacitance increases 

as h is increases until the critical depth of bury and the 

rate of increase slows down soon after conductor height 

exceeds the critical height as shown in figure 6.6(b). The 

inductive coupling is always increasing, and upon 

increasing h above the critical depth of bury, the 

crosstalk is still increasing. Although the coupled noise 

is a complex function of both the self and coupling 

electrical parameters, it seems that when the coupling 

capacitance decreases and the coupled noise increases, that 

the lines become inductively coupled. 

In figure 6.20, the maximum coupled noise is 

plotted for the rise time of 1.0 ns for the lines described 

above. In this case the terminations are open circuits and 

the maximum crosstalk occurs at the far end of line # 2. 

Immediately, it is evident that the maximum coupled noise 
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is larger for the open circuit case. When the conductors 

are deeply buried, the crosstalk increases with increasing 

h as already observed. For the conductors that are buried 

above the critical depth of bury (h > hc), it appears that 

the decrease in the capacitive coupling is just balanced by 

the increase in the inductive coupling. For the w = 5 mils 

and s = 10 mils lines, the inductive coupling can not 

increase as fast as the capacitive coupling decreases and a 

weak maximum in the coupled noise level is seen near h = 

hc. 

When the rise time of the linear voltage ramp is 

decreased from 1.0 ns to 0.1 ns for the open termination 

case, as expected, the magnitude of crosstalk is increased 

but similar behavior is observed as shown in figure 6.21. 

The peaking in the noise levels near the critical depth of 

bury (hc) is more evident on this figure 6.11(c). 

6.3 Crosstalk in Vertically Spaced. Buried 
Microstiolines 

The effect of vertically coupled lines was also 

investigated, and an expansive amount of data was 

accumulated which will only be summarized. In figure 6.22, 

cross-sectional geometry of the vertically coupled, buried 

microstrip lines is shown where the substrate thicknesses 

of 40 mils, substrate dielectric constant of 5 and 

conductor thickness was 0.7 mils. The critical depth of 
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bury for this system is approximately hc40 = 20 mils. 

These lines were excited using a linear 0 to 1 volt ramp 

whose rise times were 1.0 and 0.1 ns, where all 

terminations were open except which was matched with 

the line impedance as shown in figure €.18. For moderate 

rise times, the maximum crosstalk occurs when the bottom 

conductor is active and the top conductor is quiescent. 

Maximum crosstalk occurs at the far end of the quiescent 

line for the open circuit termination case. Far end 

crosstalk was plotted as a function of interline vertical 

spacing in figure 6.23. Minimum crosstalk was found to 

occur for smaller widths and larger vertical spacings for 

conductors that are deeply buried (hc = 10 mils). 

Crosstalk decreases at a faster rate when the interline 

vertical spacing increases, compared to the conductors that 

are buried at the critical height (20 mils) . For more 

robust rise times, the conductor closer to the surface 

needs to be excited to reduce the maximum crosstalk. 

A thorough investigation into the behavior of 

coupled, buried microstrip lines was presented. It was 

found that the coupling capacitance exibits complicated 

behavior as a function of depth of bury. As a result, it 

appears that the maximum noise coupled to a quiescent line 

is at a maximum near the critical depth of bury (hc) . 

Results illustrate capacitively and inductively coupled 
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noise regions. Cross-sectional shape variation only 

affects closely coupled lines, decreasing the coupling. 

For vertically separated conductors, crosstalk is a 

function of both conductor widths, the depths of bury and 

increases as the width (w) and the height (h) increase. 



CHAPTER 7 

APPLICATIONS AND DISCUSSION 

7.1 Level-1. "Delta - I" Noise 

In the previous chapters, electrical characteris

tics of integrated circuit package interconnects were 

discussed. Another major noise problem, which is called 

"delta-I" noise, is caused by the bond wire and lead pin 

inductances [9], In order to model this "delta-I" noise 

problem, one has to know not only the packaging character

istics but also the circuit performance of the chip. In 

this chapter, practical "delta-I" noise of an OCM-5* chip 

is analyzed and compared with the test results. 

In figure 7-1, a circuit representation for the 

"delta-I" noise is shown. The OCM-5 chip has 16 Tri-state 

TTL (Transistor Transistor Logic) gates connected to the 

output pad. Initially, two ground and power supply pins 

were used in the design. The placements for these pads 

were selected by an automatic router, such that a minimum 

length of bond wire was used. The customer specification 

for this chip had a maximum limit of 400 mV of noise when 

used in a 68 pin ceramic chip carrier (leadless). 

* OCM-5 is a commercial gate array product of GTE, 
microcircuits, Tempe, Arizona. 
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Figure 7.1. Circuit diagram for "delta - X" noise model. 
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From the test results of the OCM-5 chip, the 

maximum noise was 717 mV for two ground pins and the 

largest spike of current was found in CLK180 (clock 

signal). This maximum current spike had an amplitude of 

125 mA for the duration of 16 ns. In figure 7-2, the 

circuit representation of the pad to pin connection is 

shown. Lpin is the inductance and Cpin is the capacitance 

due to the bond wire and pin. 

First, it is assumed that the current through the 

capacitor (Cp£n) is zero. For one of the sixteen gates 

switching, using equation (7-1) we estimate that the" 

"delta-I" noise is 109 mV. 

VLmax = L . di 
dt 

(7-1) 
max 

To calculate the inductance and the capacitance, 

one has to model the interconnect, bond wire and pin. In 

this analysis, the parameter values are taken from SZE's 

table [9]. Inductance and capacitance for a 68 pin 

ceramic chip carrier is 7 nh and 2 pf respectively. gince 

the noise due to a single gate switching is 109 mV, in the 

worst case, the maximum amount of noise ever possible is 

due to 16 gates switching simultanesouly. For this case 

using equation (7-2) the maximum inductive noise is 1749 

mV, 
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vLmax ~ vLmax.l • n (7~2) 
n i l  

where subscript represents the number of gates switching 

and n is the total number of gates connected to the output 

pad. 

One has to check the validity of the zero current 

through the capacitor (Cpin). Using equation (7-3), 

dvLmax 
*Cpin ~ c • (7-3) 

max <^t 

for the maximum noise of 1749 mV (when all the 16 gates are 

switching together), the current through the capacitor is 

about 0.43 mA. In comparison to 125 mA, the current 

through the capacitor can be neglected ( for the order of 

this calculation) without any significant error in the 

calculation of the inductance of the ground pins. Note: If 

current through the capacitor is not negligible, one has to 

iterate in order to find the exact amount of current 

through the inductor. 

Since the maximum allowed noise was 400 mV, using 

equation (7-4) we can determine the number of pins needed, 

N = maximum noise (7-4) 
allowed noise 
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where N is the number of ground pins needed for a given 

noise limit. 4.37 ground pins must be used. The OCM-5 

layout was corrected and two test chips were made with 4 

and 5 ground pins. From equation (7-2), for 4f 5 ground 

pins, maximum inductive noise is 437 mV and 349 mV 

respectively. The test results showed 386 mV and 278 mV 

noise for 4 and 5 ground pins respectively. The possible 

reasons for an error in these calculations are: (1) 

inductance and capacitance values from the table are 

different from the actual values, therefore, accurate 

models need to be developed, (2) Fewer than 16 gates are 

switching together, (3) errors in the test measurements. 

7.2 Post Layout Performance Verification 

From the experience with the OCM-5 chip, one has to 

do the post layout design verification to avoid possible 

delays, false switchings and "delta-I" noise which may 

degrade the performance of the chip. Unfortunatly, present 

automatic routers have limited design guide lines 

associated with them. For large scale high-speed systems, 

it is almost impossible to calculate the delays and noise 

on each interconnect. Maximum allowable (upper-bound) 

delays and noise must be calculated and these values should 

be implemented as a design criteria for the automatic 

router. The router's rejected interconnects can be 

simulated individually and placed manually. 
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simulated individually and placed manually. 

An algorithm was written for the "delta-I" noise so 

one can calculate the number of ground pins needed for a 

given noise specification. The required number of 

calculated pads/pins are then forced as a design rule to 

the automatic router. 



CHAPTER 8 

CONCLUSION 

The TEM mode two-dimensional parameter simulator 

were discussed. From the above analysis on crosstalk and 

"delta-I" noise, it is clear that there exists a need for a 

three dimensional parameter simulator. A three dimensional 

parameter was developed by Scheinfein et. al. [14]. 

Results showed that the assumption of silicon as a perfect 

ground plane, results in deviations from the measured 

parameter values [12]. Using this three dimensional 

parameter simulator, one can model the interconnect 

parameters with better accuracy and cap include the 

dielectric losses (especially in silicon) in the 

transmission line model. 

A first order lossy transmission line model (a 

highly distributed lump approach) was developed using the 

SPICE simulator. The major problem with the SPICE method 

is the slow computational speed. Since actual drivers and 

receivers are circuits, the SPICE method has an advantage 

and can be easily incorporated in a circuit design 

workstation. Another problem observed was the filtering 

effect, one has to spend more CPU time by increasing the 

number of lumps/cm to reduce this effect and, even then, 
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performance is not always guranteed. 

Both the matrix method and the SPICE method have 

their own advantages and disadvantages, therefore, it is 

advisable to use the matrix method (much faster 

computational speed) to calculate the upper-bound value of 

crosstalk and delays. This can be done by using linear 

terminations and then using the practical source and 

termination circuits in the SPICE methods to determine the 

waveforms for one of the non-linear terminations. 

Electrical characteristics of buried, coupled 

microstriplines were given in chapter 5 and 6. These 

curves can be used as design curves to estimate the 

electrical performance of multilayer boards. 1-t was found 

that there exists a critical depth of bury hc, below which 

the conductors decouple from the dielectric interface and 

above which fields couple to the dielectric interface. The 

curves illustrated on buried, coupled microstrips not only 

give an estimation of electrical parameters but also 

demonstrate the regions where maximum/minimum crosstalk is 

found. 

The need for a better transmission line solver 

(including non-linear terminations with relatively fast 

computational speed) is clear from the above analysis. 

When such a transmission line model is developed, it should 

be included as a design criteria to calculate the 
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perfoinance of the chip in the automatic router so that all 

the layouts will have the performance required. 
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