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ABSTRACT 

A two-step methodology for predicting the radiated fields from lines radiating in 

the presence of conductor-backed substrates is presented. The method employs the 

use of transmission line theory to find the current distributions on the lines forming 

the interconnects of a circuit. These currents are used to evaluate the far-fields of the 

circuit through the use of dipole theory and superposition. The method was tested 

and validated by comparison to full-wave models. Investigations established that 

radiation from common-mode currents, which are not accounted for by the circuit 

analysis, are found to be dominated by the radiation due to differential mode currents, 

and thus EMI prediction based on the two-step methodology is found to have good 

engineering accuracy. 

A full-wave method based on the Finite-Difference Time-Domain (FDTD) is pre

sented for the evaluation of radiation from structures of such geometrical complexity 

that the transmission line model is not applicable. The Perfectly Matched Layer trun

cation scheme is implemented in the FDTD and investigated for radiating structures 

found in printed circuit boards (PCBs). Proximity effects of the PML dictate careful 

attention to the proper implementation of this absorbing boundary condition. Also, 

the FDTD subcell model for thin wires is investigated for modelling thin microstrip 
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interconnect lines. To evaluate the far-fields from radiating structures foimd in mul

tilayer electronic packages, a novel near-to-fax field transform at a single frequency 

is developed and implemented for sources in stratified medium. This transform is 

validated and investigated with regard to PML and structure proximity. The near-

to-far field transform is also implemented in a methodolgy for obtaining the radiated 

enoissions from a radiating structure. This methodology is used to address important 

concerns regarding the grounding of heat sinks, "floating" conducting planes, and 

the electromagnetic behavior of split ground planes. 
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CHAPTER 1 

INTRODUCTION 

As clock speeds increase and the Federal Communications Commission's (FCC's) 

radiated emissions regulations become more stringent, quantification of radiated emis

sions from packaged electronics components is becoming an important issue in the 

design of electromagnetically compatible packages for high-speed digital electronics. 

Contrary to the almost routine use of electromagnetic computer-aided design (CAD) 

tools for interconnect/package-induced noise prediction and signal integrity evalua

tion during design, the numerical modeling of radiated noise from packaged electronic 

components is essentially at its infancy. This is mainly due to the full-wave nature 

of the problem that necessitates the use of vectorial Maxwell's equations solvers for 

the simulation. Figure 1.1 illustrates the geometrical and material complexity of a 

computing device for which a full-wave approach would be necessary in order to ob

tain accurate radiation characteristics. So far, most of the full-wave radiated-noise 

simulations have been based on the use of frequency-domain solvers [1], [2], [3]. These 

solvers formulate the problem in terms of an integral equation for the currents on 

package conductors then find the solution of the equation through the use of the 

method of moments. The difficulty with such solvers is two-fold: a) they require 



adjacent structure 

board-to-board 
connections 

enclosure 

Unshielded elements on bottom side 

Figure 1.1: A typical computing device for which radiation characteristics are being 
sought. 
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lineaxization of the drivers to effect the solution; b) the problem has to be solved re

peatedly for several frequencies over the frequency range dictated by the regulations. 

Despite the full-wave nature of the problem, comparably faster methods [4], [5] are 

available for computing the radiation from single-chip packages that have well-defined 

return paths through a ground plane. These methods axe based on the assumption of 

quasi-transverse electromagnetic (quasi-TEM) fields existing in the conductor traces. 

The limitation of these transmission-line based methods, however, is that they do not 

account for common-mode currents that can exist on the conductors. As has been 

noted, [6], the common-mode currents on printed circuits can lead to larger emissions 

than those due to the differential-mode currents. However, for structures that have 

the presence of a ground plane near a trace current, significant reduction in the radia

tion due to both the differential-mode and common-mode currents has been noted [7]. 

Both [4], [5] show that neglecting the common-mode current for conductor-backed 

substrates does not significantly reduce the accuracy for EMI computations, and, in 

fact, emissions can be foimd very accurately and efficiently by transmission-line based 

solvers for these special structures. 

In Chapter 2 we will discuss the development of such a transmission line based 

solver for estimating the radiation from structures amenable to the limitations of the 

quasi-transverse electromagnetic asstmiptions. These assumptions are that the sub

strate and the power/ground planes present in printed circuit boaxds (PCBs) are of 
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infinite extent. Also, we assume no secondaxy radiation effects due to secondary scat

tering by neajrby objects. The method employs a scattering-parameter (s-parameter) 

based circuit analysis tool developed by Vakeineis [8] in conjunction with multicon-

ductor transmission line analysis and the theory of dipole radiation in the presence 

of a conductor-backed substrate. We will demonstrate by comparison to full-wave 

solutions that the presence of the ground plane allows us to have engineering accu

racy in finding radiation levels. And we will, by use of a simple model, show that the 

common-mode current radiation is not the dominant component for conductor-backed 

traces. We will also briefly investigate the modeling of wires extending beyond the 

edges of a PCB through the use of a lumped capacitor to account for a displacment 

current between the wire and the ground plane. The objective for the development 

of this tool was primarily to provide fast calculation with engineering accuracy of 

radiated emissions. Such computations are essential for rapid and EMI-sound PCB 

layout design. 

An alternative to the aformentioned methods is the Finite Difference Time Do

main (FDTD) method. This method is now widely used in many applications [9]. 

The FDTD method offers the versatility of modeling complex geometries and com

plex materials (anistropic, inhomogeneous, dispersive) commonly foimd in electronic 

packages. The method utilizes a robust, efficient integration algorithm which gives a 

broadband component/system response in a single run and is perfectly suitable for 

vectorization and parallelization. Recently, FDTD has been applied to the modeling 
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of signal propagation in 3-D lumped-circuit models [10], [11]. Computer modeling of 

far-field radiation from PCBs has also started to include the FDTD method [12]. 

In this dissertation, a transient electromagnetic solver based on the Finite-Difference 

Time-Domain method is used to demonstrate a new way of looking at the problem 

of radiated emissions from packaged electronic systems as well as their susceptibility. 

Recent advances in the development of robust methodologies for the reflectionless 

tnmcation of the numerical grids used in the simulations of electromagnetic radia

tion problems, have contributed significantly to the improvement of the accuracy and 

computational efficiency of such time domain solvers. The grid truncation scheme 

used in our solver is based on the implementation of the Perfectly Matched Layer 

(PML) recently developed by Berenger [13]. 

In Chapter 3 we will investigate the PML with regard to the following two issues: 

a) the selection of PML parameters (conductivity values, layer thickness) for effecting 

a desired level of reflectionless attenuation; b) its proximity to a radiating structure. 

We wiU use appropriate figures of merit (effective impedance, return loss, transmis

sion/coupling coefficient, S12, etc.) to draw conclusions regarding the impact of the 

PML. We wiU also observe the effects of the PML on the accuracy of the radiation 

pattern obtained using Huygen's principle, as a function of the proximity of the Huy-

gen's surface to the PML interfaces. Also, we will discuss a source of instability when 

the PML is improperly implemented for the case of stratified media. This instability 

was first reported in [14]; however, it was not discussed in detail and no explanation 
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for its occurrence was given. We will axgue that the instabilities were due to spurious 

charge sources created at the dielectric interfaces in the PML region due to improper 

assignment of the variable conductivities in the PML 

In Chapter 4 we will continue with the numerical investigation of radiation emis

sions mechanisms in single-chip packages. We will investigate the possibility of using 

the thin-wire subceU model to model the interconnecting microstrip lines foimd in 

such single-chip packages. We will next turn our attention to providing answers to 

questions stirrounding techniques commonly used to suppress radiation from heat-

sinks and floating signal ground planes. We will demonstrate that proper grounding-

pin placement is critical to minimizing radiation, and that the question of how to 

ground a heatsink to minimize radiation is dependent on the nature of the exciting 

sources as well as nearby objects, which can be the grounding scheme itself. We will 

also investigate the effects of introducing a split ground plane as may be found in 

mixed-signal packages. This mechanism is becoming increasingly important as elec

tronic density increases. It will be shown that radiation resonances will be introduced 

in relatively low-frequency bands as the result of exciting electromagnetic field modes 

in the slots described by the splits in the ground plane. For many of these structures, 

the "problem" frequencies will exist outside the current FCC regulated band (9kHz 

- 3GHz), but it is anticipated that only a matter of time exists between now and the 

eventuality of having to consider EMI frequencies in the millimeter band due to the 
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burgeoning communications industry which is projecting to operate devices up to 77 

GHz (car security radar). 

In Chapter 5 we will summarize our work by indicating the issues and questions 

left open for future work. 



CHAPTER 2 

A TRANSMISSION LINE BASED METHODOLOGY 

FOR ESTIMATING RADIATED EMISSIONS 

In this chapter, a transmission line based, two-step methodology is presented for 

calculating the fax zone electromagnetic fields radiated from exposed structures in a 

multi-layer printed circviit board (PCB). The geometry of a typical multilayer PCB 

is shown in Figure 2.1. An exact solution to this problem requires the solution to 

a boundary value problem. The boundary value problem can be formulated in terms 

of an integral equation where the unknown current is inside the integral. Numerical 

techniques can then be used to solve for the current density and the fields can be 

foimd from radiation integrals. In the two-step method presented in this chapter, the 

currents are foimd by assuming that the actual currents are not too different from 

those which can be predicted by conventional transmission line theory. This assump

tion is not unlike the original work done in computing the radiation from a dipole in 

free space. The dipole is assimied to be an open ended transmission line whose ends 

have been opened-out. The current distribution originally on the transmission line is 

alleged to maintain the same form when the line is formed into a dipole. Although 

this is rigorously incorrect the assumption has led to fairly good results for computing 



unshielded interconnect lines 

unshielded elements on bottom side 

Figure 2.1: A two-sided multi-layer printed circuit board. 
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impedance and radiation for thin wire antennas as demonstrated by variational tech

niques [34]. From these currents we can use dipole radiation and the superposition 

principle to compute the far-field radiation. 

Radiation from the PCB is only due to the currents on the unshielded portions of 

the PCB; however, these imshielded currents are determined by the analysis of the 

entire circuit, which includes devices and interconnects in the intervening layers. In 

addition to direct radiation from the interconnects and devices on the PCB, there is 

a component of radiation due to end-effects from the finite size of the groimd planes. 

For the analysis presented in this chapter, we assume that the substrate layers and the 

ground planes are of infinite extent, thus we do not account for end-effect radiation. 

We also assume that the interconnects support quasi-TEM fields for the frequencies 

of interest. 

We will review the theory for the multiconductor transmission lines used to model 

interconnects. Also, we will discuss the s-parameter circuit analysis tool developed 

by Vakanas [8]. This tool is discussed in detail in [8]. Here we will only include the 

general points necessary to maintain continuity and completeness for the discussion 

of the two-step methodology. 

For the discussion concerning the derivation of the far-field radiation from a PCB 

we will simply present and utilize the radiation expressions for a horizontal electric 

dipole specialized to the case where the dipole is located at the interface of a conduc

tor backed substrate (In Appendix A we present the application of the reciprocity 
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theorem for the calculation of radiation fields from horizontal and vertical electric and 

magnetic dipoles in the presence of a stratified media). To compute radiation from 

the vertical vias, we model them as vertical dipoles and simply use the developed 

result given in [15]. 

Finally, the validity of the proposed method is examined by means of compaxisoas 

of calculated results with those obtained from the full-wave tool Nimierical Elec

tromagnetics Code (NEC) [16]. Such a comparison prompts the discussion of the 

impact of neglecting common-mode currents found in unbalanced portions of PCB 

interconnects. Such currents are not predicted by transmission line theory. Despite 

the approximations, the method is foimd to offer expediant and reasonably accurate 

calculation of radiated emission levels for PCB interconnections across a specified 

frequency band. For special cases, a simple model is proposed for calculating the 

radiation fields from wires extending beyond the edge of a PCB, and its validity is 

discussed. 

2.1 Current Distribution on Printed Circuit Board 

The first step of the methodology is finding the cvirrent distributions on the por

tions of the circuit that are exposed for radiation. These radiating structures can 

be lumped elements, but the most prominent structure will the the multiconductor 

transmission line (MTL), which is discussed in the following section. 
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2.1.1 Multiconductor Transmission Line Theory 

The interconnect network between chips ajid connectors on a PCB are modelled 

as MTLs. We know from MTL theory [17] that for an N+l-conductor MTL with 

conductor N+1 taicen as the reference, N fimdamental ciurrent modes, which exhibit 

a zero cutoff frequency, will be excited on the lines. Consider the MTL of Figure 2.2. 

Under the quasi-TEM assumption, voltages and currents can be defined uniquely on 

each conductor of the MTL by the Telegraphists equations. Assuming time-harmonic 

excitation, i.e. time dependence of the form e-"^, let V{y) = {K(y)5 • • • a^d 

I{y) = {/i(y),. ../Ar(y)}^ be the voltage and current vectors, respectively, for the 

MTL where Vi{y), t=l,2, ..., N is the voltage at point y on the z'"* conductor with 

respect to the reference conductor, and Ii{y), i=l,2, ..., N, is the current at point y 

on the i"' conductor. The MTL voltages and cxirrents are governed by 

with R, L, C, and G being the per unit length resistance, inductance, capacitance 

and conductance matrices, respectively, for the MTL. These matrices can either be 

measured or calculated. For the results presented in this paper, the University of 

Arizona interconnect parameter extraction tools were used to find these matrices [18]. 

YV(y) 

(2.1) 

(2.2) 

where 

Z = R. "l" jujTj and Y = G -|- jufC (2.3) 
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Figure 2.2: Schematic of an N-line MTL connecting circuits on a PCB. 
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From, these equations, the decoupled wave equations for the voltages and currents are 

found 

^ zYV(y) (2.4) 
dy"^ 

^i(y) = YZI(y) (2.5) 
dy"^ 

To solve for the eigemnodes of the MTL system we assume a solution to (2.5) of 

the form Im = where ip^a is column vector of constants and 7^ is the prop

agation constant of a particular mode (m=l,2, ... ,N) on the MTL. By substituting 

this form of the solution into 2.5 we obtain the following eigenvalue problem 

(U7^-YZ)V'me^'"'' = 0 (2.6) 

where U is the identity matrix. It is clear that 7^ is the square root of the eigenvalue 

of the matrix YZ for the corresponding current eigenvector, i/'m- Once the eigenmodes 

and associated eigenvalues axe known, the general solution to (2.5) can be written in 

compact form as 

I(y) = «(e-^''a+ + e+^^a") (2.7) 

where 9 is the cxirrent eigenvector matrix whose columns are the eigenvectors of the 

matrix YZ, a"*" and a~ are column vectors that depend on boundaxy conditions, and 

r is a diagonal matrix F = </ia^{7i, 72, • • •, 7a^}. Likewise, the voltage on the MTL 

is written as 

Y{y) = Y-^«^(e-^>'a+ + e+^^'a") (2.8) 
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where Yc is the characteristic admittance matrix given by the following expression 

Yc = «rr-itp-iY (2.9) 

2.1.2 S-parameter Based Circuit Analysis Tool 

From the voltage and cmrent relationships given in (2.7) and (2.8), the well-

known s-parameter representation of an MTL can be fomid. Consider, again, the 

MTL shown in Figure 2.2. The endpoints of the MTL have incident, a,-, and reflected, 

6,-, i = 1,2,... iV, waves. In vector form the a and b waves are related to the endpoint 

voltages and currents by the following relations: 

V(0) = aL-f bz,; I(0) = aL-bL (2.10) 

V(I )=aR-^bR;  l{L)  =  aR-hR (2.11)  

where subscripts L and R refer to the left and right ends of the MTL. Solving these 

equations for hi enables us to identify Sn and S12 as the factors multiplying a^, and 

slr [19]. From the symmetry of the MTL Sn = S22 and S12 = S21. Therefore we can 

relate the incident and reflected wave vectors by the following 2N by 2N matrix: 
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bi 

62 

67V+1 

b2N 

>11 

>21 

>12 

>22 

ai 

02 

UN 

Ojv+l 

a2N 

where Sn, S12, S21,  and S22 are N by N s-paxameter submatrices: 

Sii [(U + Y-')P(U - Ye) + (U - Y-')P-1(U + Yc)] 

[(U + Y-')P(U + Yo) + (U - Y-')P-'(U - Y,)] 

-1 

-1 

(2.12) 

(2.13) 

(2.14) S12 = -4 [(U - Yc)P(U - Y- i )  +  (U +  Yc)P-^U + Yc)] 

where P = and £ is the length of the MTL. 

S-parameters are also used for the lumped circuit representation of the driving 

and receiving circuits as well as the electromagnetic description of any discontinuities 

present. Some of these s-parameter models are listed in [17] and [19]. The lumped 

elements are treated as two port networks and thus can be characterized by reciprocal 

2x2 s-parameter matrices with elements 

Six — 

S12 = 

Z + 2 

2 
Z + 2 

(2.15) 

(2.16) 
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eind 522 = •S'21 = Si2. In the above equations, Z is defined as the impedajice of 

the given element 

Z = R{u}) for a resistor 

Z = j(jjL{u}) for an inductor 

^ = 7;:;^ ^ capacitor 

Ideal voltage sources in the PCB circuit are modeled by the following matrix form 

{Vs is the source voltage vaiue): 

61 0 1 fll 

+ 
Vi 
2 

62 1 0 02 
-V, 
2 

Once the elements in the PCB are chajacterized by s-parameter matrices, the 

entire ciruit is solved; however, in view of our assumption of planes of infinite ex

tent, only the unshielded interconnects and elements wiU contribute to radiation. To 

find the currents on the MTL, the s-parameter equations for each element are first 

gathered into a global s-paxameter matrix equation 

bg = SgEg -I- bs (2.18) 

where ag and bg are column vectors containing the incident and reflected waves for 

all elements, and bs is a vector of waves accounting for independent sources in the 

PCB network. 

The a and b waves at any port of the PCB are also related through the interconnect 

matrix, Tg. This matrix relates incident waves from one element of the PCB to 
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reflected waves from adjacent elements. The global form of this interconnect matrix 

IS 

(2.19) 

where Tg is a squaje matrix of dimension N equal to the total number of ports in 

the circuit. The submatrices of this matrix for any given node in the circuit is found 

by applying Kirchoff's voltage and current laws at that node. The elements of the 

submatrix for m circuit elements coimected to a kth node aje given by [8] 

2 — m rplc 
ij — m 

2 . , . 

m 
(2.20) 

Equations (2.19) and ( 2.18) can be combined to give 

(Tg — Sg)ag = bs (2.21) 

We can now solve for the ag and bg wave vectors and thus the total currents at 

the MTL endpoints, [1(0)] and [I(i^)]. These total current vectors are applied as 

boundary conditions to the matrix form of 2.7 

1 '
 

^11 ^12 

hiy) 

= 

^21 ^22 

lN{y) iNl iN2 

ilN 

i2N 

iNN 

af exp +ai exp^''^'' 

a2 exp"''^" +Q!2 exp"'"-'^" 

aff exp 

(2.22) 

and thus we can solve for the modal amplitude coefficients a"*" and a . The current 

is therefore described at any point on the MTL. 
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2.2 Far Zone Radiation From a PCB 

Once the current distribution has been found on the circuits in a PCB, the second 

step of the methodology involves finding the radiated electromagnetic fax field for the 

PCB by assuming that each current point on the unshielded portion of the circuit 

radiates like an electric dipole above a stratified media. Consider Figure 2.3 where 

we illustrate the basic concept of representing the current on a line of an MTL as a 

series of dipoles radiating in the presence of a layered media. The dipole moment of 

each dipole is determined by its position on the MTL and the current value at that 

point. In the following two sections we present the expressions for the special case 

of a horizontal and vertical electric dipole radiating in the presence of a conductor 

backed substrate. From these expressions we can find in a straightforward fashion 

the radiation from any nmnber of MTLs and elements whose current distributions 

can be represented by such dipoles. 

2.2.1 Radiation from a Horizontal Electric Dipole 

The far-field radiation from dipoles above stratified media is fairly well known [20]. 

The far-fields can either be found by solving the Sommerfeld integral representations 

of the Debye potentials as done in [20], or, in a much easier fashion, by implementing 

the reciprocity theorem. In Appendix A we include the derivation of the far-fields of 

vertical and horizontal electric and magnetic dipoles in a stratified media by use of 

the reciprocity theorem. 



Figure 2.3: A series of dipoles modelling the radiation from a distribution of current 
on an MTL line aad a shorted via termination. 
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For the purposes of this chapter we use the form of the far-fields of an horizontal 

electric dipole radiating above a conductor-backed substrate as this is the appropriate 

geometry for unshielded elements found in a PCB. The field components for a single 

dipole directed along the y-direction, are 

Ee = [l - cosesin4> (2.23) 

^2.24) 
47reoC<; r 

He^-^  (2.25)  

(2.26) 
Vo 

where tfo is the free space impedance, dl is the differential length of the dipole, I{y) 

is the current value of the dipole, ko is the free-space propagation constant, and the 

presence of the layered media is accounted for in the reflection coefficient terms i?||(0) 

and R±{0). These terms are written in terms of the layer characteristic impedances, 

Ko Ki, and K2, and characterist ic admittances,  Nq N i ,  and N2 

W = (2.27) 

(2.28) 
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where for the special case where the second layer beneath the MTL is a perfect 

conductor {K2 —* 0 and N2 —> 00) 

1 — 

1 _ g-2uidi 

IC = 
cTo + j(jje 

Ki = 
<7i + jujei 

Ui 
Ni = 

JUHo 

Uo = j\Jkl- klsin?9 

ui = j\Jki — kjsin^d 

ki = y{-j(^fii{<Ti+ju}ei) 

kfj — Stt j Aq — f^o^o 

2.2.2 Radiation of Vertical Electric Dipole Imbedded in Substrate 

For vertical connections in the PCB (e.g. vias, pins, and terminations to ground) 

the vertical wire is considered as a vertical dipole and its contribution to the radiated 

field is accoxmted for using well-known models for probe radiation through a substrate 

(far field formulations) [15] 

II 
Ee = jUOTT- F{e, ei) (2.29) 

A<j r 
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cos{rffgz')cos0sin0 

Ci cos{il}gB) COS 9 + j{ei — sin'^9yf'^3in{'ipgB) 

ko{er — sin^ 

the length of probe 

the height of the substrate 

2.2.3 Far-zone field for MTL 

In this section we use the results of the previous sections to write the far-fields of 

a line ^ in an MTL with N total active lines. The current at any one point y on the 

line of this MTL can be written eis the sum of all modes on that line at that point y 

N 

("m exp"^"*" -l-a;; exp"^'"'')ifc^ (2.30) 
m=l 

where jm = j^m- By the principle of superposition we can find the total far field by 

placing this current expressions into the dipole field expressions, (2.23) and (2.24), 

and integrating over the length of the line k of the MTL. Therefore the radiated 

electric fields for each line k are written as 

where 

m^uB) = 

= 

/ = 

B = 

j^2 gjhoT 
Egk = -j-— -—(1 — i? | | (0) )  cos6sin<j) 

m fcrra /^—L{-im—jkonn6ain<t>) . 
-(7m - jkosin9sin<f>) <m 

rUrim+jkoiinBainti) _ i \ \ ^9 T1 ^ 
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h3 pjkoT 

= -i7-77-(i + ̂ x{^))-—W-
^TrCou; r 

{y^ ^m^km / -L(ym-jkosinesin<t>) _ i ^ i 
-(7m - jkoSin6sin<f)) 

( H-rm+jkosinBsini/)) _ i \ I /o oqn 
(7m + jkosinesin4>) ̂  ^ ^ 

where in the far field the angles 6 and <f> are treated as invariant under the integration. 

By means of coordinate transformations and the principle of superposition we can 

compute the total fields resulting from the radiation of every line in the MTL and 

every MTL in the PCB. 

2.3 Full-Wave Comparisons 

The validity of the two-step method presented in this chapter is demonstrated by 

comparing results to those obtained by using the full-wave tool Numerical Electro

magnetics Code (NEC) [16], which is used extensively for wire antenna designs as well 

as scattering by wire and conducting structures. Since NEC cannot handle layered 

dielectric substrates, a homogeneous dielectric of e = e<, is assumed for comparisons 

to NEC results. We also use the published full-wave results from [5] to make compar

isons for the case of a microstrip line above a substrate, Cr = 4.6. Our examples will 

provide sufficient support to our contention that for certain PCB structures with a 

large nimiber of signal line traces, a method such as the one discussed in this chapter 

is the only viable tool for efficient nimierical prediction of the far-field radiated emis

sion. We also examine effects of the ground plane on the common-mode currents, 
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and demonstrate, that for EMI computations, these currents do not dominate the 

radiation and hence do not significantly affect the accuracy of the predicted radiation 

levels. 

2.3.1 Single Driven Wire 

In our first example, we examine the radiated emissions from a single wire as 

shown in Figure 2.4. For this case we will also examine a commonly used method of 

placing shorted traces adjacent to the driven line as a means of suppressing radiation 

from signal traces. As each line is added to the structure, the model becomes a 

multiconductor transmission line suitable for analysis by our two-step method. In 

Figure 2.5 we show computations of the total electric radiated emissions across the 

frequency band of 100 MHz to 1 GHz for a point directly above the traces at a distance 

of 3 m. As can be seen, the placement of adjacent wires provides some measure 

of emissions reduction, albeit whether significant or not can only be answered in 

the context of other factors, like regulatory specifications, and or issues of crosstalk 

suppression. In Figure 2.6 we show the difference between the results from our 

approximate method and the results generated by NEC. As is clear, the differences 

are less than 1 dB /iV, which can be considered very small by EMI standards. 

2.3.2 Single Microstrip Line 

In this section we consider the radiation from a single microstrip line above a finite 

ground plane as shown in Figure 2.7. Full-wave results for this structure are available 
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Figure 2.4: A single driven wire with adjacent wires :a) Single driven wire, b) one 
adjacent wire, c) two adjacent wires. Wires axe 10 era long, 10 mm above a ground 
plane, 10 mm from adjacent wires, and have a radius of 0.8 mm. 
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Figure 2.5: Total electric radiated emissions across the frequency band of 100 MHz 
to 1 GHz for a point directly above the traces at a distance of 3 m. 
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Figure 2.6: Difference between NEC and two-step methodology results. 
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from [5]. We do not model the finite ground pleine, but compute the fields from the 

same microstrip line above an infinite groimd pleine. The line dimensions are given in 

mils. The line is excited by a 1 V, 50 ohm source, and two substrates are considered: 

€r = 1.0 and Cr = 4.6. From Figure 2.8 we see that the results from the proposed 

two-step method (also referred to as UACREST) agree very well for the case of an 

air dielectric with the full-wave results. For the dielectric case of €r — 4.6, results 

match quite well for frequencies between ICQ MHz - 500 MHz, but the resonance 

predicted by the two-step method is about 10 % above that reported in [5] and thus 

differences aroimd this frequency are considerable. According to A. Ruehh [22], one 

the coauthors in [5], it is possible that the sparse discretization in their analysis could 

lead to a 10 % deviation in their results, and that a higher frequency resonance point 

would result from a denser discretization. This change would make the value obtained 

by the two-step method consistent with the full-wave analysis. 

2.3.3 Six Multiconductor Transmission Lines 

In this exaxnple we demonstrate the computational effeciency of the two-step 

methodology as compared to NEC. Figure 2.9 shows the top view of six MTLs above 

a ground plane. An MTL in this figure is defined as any number of wires that run 

parallel to each other over any length. The wires in this figure are 10 mm above a 

ground plajie, have a radius of 0.8 mm and are terminated with electrical shorts for 

the purposes of validating the methodology. Figure 2.10 shows the total electric field 
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Figure 2.8: Total electric field radiated from a microstrip line with an air substrate 
and a substrate with = 4.6 : r = 3m and d = 0°. 



44 

computed by NEC and the two-step method (UACREST) for a point directly above 

the model at a distance of 3 m. Good agreement is observed for the frequency band 

100 MHz - 1000 MHz. The expediency of the method is demonstrated by noting that 

the 91 data points represented by the plot required computation times of 73 minutes 

for NEC and 1.5 minutes for the two-step method on a Sparc 1 workstation. Figure 

2.11 shows the comparison between the two-step methodology and NEC for a case 

where 6 is varied and the observation point is kept on the planes <!> = 45° and 225°. 

Figure 2.12 shows a comparison between the two-step methodolgy and NEC for a 

case where 9 = 30° and <f> is varied from 0 to 360 degrees. Again, good agreement is 

shown. This example clearly illustrates that the two-step methodology can provide 

good engineering accuracy at computation speeds two orders of magnitude faster 

than fuU-wave tools. 

2.3.4 Common-mode Current Issue 

Common-mode currents are those currents on transmission lines which are not 

differential. These currents, which are best described in terms of displacement cur

rents, arise from structural asynmietries and unbalanced circuits. These currents can 

dominate the radiation characteristics of a circuit, but if a ground plane is present 

in close proximity to the unbalanced circuit, the radiation from these currents will 

be reduced below that radiation due to the differential ciirrents. In Figure 2.13 we 

show an illustration of the common-mode currents on a two-wire transmission line, 
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Figure 2.9; Top view of 6 MTLs 10 mm above a ground plane. Wire dimensions: 
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Frequency (MHz) 

Figtire 2.10: The toted electric field vs frequency (100 MHz - 1 GHz) computed by 
NEC and UACREST for the model of 6 MTLs: r = Zm,6 = 0°. 
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UACREST 

Figure 2.11: The total electric field vs 0 computed by NEC and UACREST for the 
model of 6 MTLs: r = 3m, <j) = 45°, and 225°, / = 600 MHz. 
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Figure 2.12: The total electric field vs (j) computed by NEC ajid UACREST for the 
model of 6 MTLs. at r = 3m, 0 = 30°, / = 600 MHz. 
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ajid demonstrate by image theory that the gromid plane reduces both radiation from 

common-mode and differential currents. However, since the differential currents are 

generally larger to begin with, they will dominate. Since transmission line theory 

does not predict the conmion-mode currents it becomes an important issue to ad

dress what impact these currents have on the accuracy of the two-step methodology 

described in this chapter. 

In this section we will examine a scheme for modeling the currents on an un

balanced circuit due to an extending wire connected to the circuit. We will also 

compute the radiation levels for a simple transmission line above a ground plane for 

the case when the line is symmetrically driven and for the unbalanced case when 

the loop is asymmetrically driven. These computations will be used to draw conclu

sions about the effects of common-mode current emissions due to imbalance in PCB 

interconnects. 

2.3.4.1 Short Extending Wire Prom PCB 

The two-step method may also be used for calculating the fields from unbalanced 

circuits provided that one is able to construct appropriate equivalent circuits that 

incorporate, in some sense, the presence of common-mode currents. For example, 

Figxire 2.14 shows a case, of significant practical interest, of an electrically short 

unterminated wire extending beyond the edge of the PCB. The wire is driven by a 

source close to the edge of the board and its portion that nms parallel to the board 
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Figure 2.13: Illustration of the effects of a ground plane on the radiation from common 
and differential mode currents. 
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Figure 2.14: A simple circuit with an extending wire from PCB. 
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is terminated at a resistive load of 50 ohms. To properly account for radiation from 

this wire, we model the length of the wire extending beyond the board as a capacitor 

that is connected to the ground, so the return path in the wire is established as a 

displacement current. A University of Arizona parameter extraction tool is used to 

find the capacitance between the extended portion of the wire and the groimd. During 

the first step of the two-step methodology, a lumped current through the capacitor is 

calculated. In order to calculate radiation from this current, the following "antenna 

model" is devised. The current through the capacitor is used as the maocimum value 

of a current distribution that is tapered linearly to zero along the wire from the 

connected end of the wire to the open end of the wire. This concept is illustrated in 

Figure 2.15. The electric field is found by assuming the wire radiates in free space. 

Reasonable agreement between NEC and our method is shown in Figure 2.16 which 

is a spatial comparison of the total electric field for three frequencies (100 MHz, 200 

MHz, and iGHz) at a distance of 30 m. 

2.3.4.2 Unbalanced vs Balanced Loop Circuit 

In this section we examine the impact of common-mode currents by comparing the 

radiation levels for a loop fed symmetrically and asymmetrically. The loops with feed 

placements are shown in Figure 2.17. The equivalent circuit model used to obtain the 

currents is also shown next to the corresponding geometry. The capacitance, Ce//, 

in the circuit model was found by muliplying the per-unit-length capacitance of the 
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Figure 2.15: Illustration of the modelling of an extending wire from the PCB with 
an equivalent capacitance. 
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Figure 2.16: The total electric field in the plane containing the extending wire vs 6 
for lOOMHz, 200MHz and 1 GHz. 
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transmission line and the length of the short wires. In our first example, shown in 

Figure 2.17a, a loop circuit 10 cm long and 1 cm wide with a wire radius of .8 mm is 

fed symmetrically at one end of the two-wire MTL. The substrate is air for this case 

and all subsequent cases discussed in this section. Dimensions for the second loop 

circuit are identical to those for the symmetrically fed circuit, but in this case the 

loop is fed neax the comer of the loop eis shown. Finally, in the third case, we have 

a loop circuit that is fed at the center of one of the lines of the two-wire MTL. 

In Figure 2.18 we show the comparison between the results from NEC and the 

two-step methodology for the total electric fields computed at 3 m directly above the 

symmetrically fed loop. We find excellent agreement for the the entire range from 100 

MHz to 2 GHz. Cleary for balanced circuits the two-step methodology predicts the 

radiated levels quite accurately. For this model, the inclusion of the capacitajice did 

not make a difference in the computation of the radiated fields. For a symmetrically 

fed line the voltage at the shorted load will be zero, thus no current is excited in the 

capacitance. 

Figure 2.19 shows the total electric field at 3 m directly above the loop for the the 

case when the loop is fed asymmetrically (case b). Reasonable agreement over the 

frequency range 100 MHz - 1 GHz is found (1 to 2 dB/x V/m). Differences arising 

past 1 GHz are mainly due to NEC and the two-step methodology predicting different 

resonant frequencies, which occur near 1.5 GHz. However, the general behaviour of 

two closely spaced (in frequency) resonant points predicted by NEC is also detected 
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Figure 2.17: A shorted transmission line circuit in free space above a ground plane: 
(a)Circuit is symmetrically fed, (b) circuit is fed asymmetrically near corner (c) circuit 
is fed asymmetrically at center of line. 
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Figure 2.18: The total electric field vs frequency (100 MHz to 2 GHz) computed by 
NEC cind the two-step methodology for symmetrically fed loop: r = 3m, Q = 0°. 
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by the two-step methodology as is shown in the figure. It should be noted that for this 

model, the inclusion of capacitances in the equivalent circuit is critical in predicting 

the first resonant point, occurring near 1.3 GHz. The second resonant point, neax 

1.5 GHz, is a function of the loop size and does not depend on the inclusion of the 

capacitances. 

To examine the radiation level differences in more detail we chose to compare the 

electric field levels predicted by both methods at 1 GHz. In the two-step methodology, 

the field level at this frequency was independent of the inclusion of the capacitances 

in the equivalent circuit. In Figure 2.20 we show the electric field components for 

the symmetrically fed loop. We see that the two-step methodology very accurately 

describes the field variation as compared to NEC, the full-wave tool. However, in 

Figxire 2.21, we examine and compare the electric field components for the asymmetri

cally fed loop and find a significant difference between the two methods in computing 

the <j) component of the electric field. From the accuracy with which the two-step 

methodology predicts the level of the 6 component of the electric field, we can con

clude that the difference in the predicted levels of the <f> component of the electric 

field is due to the cormnon-mode cxirrent generated from the asymmetrical feed. 

From an antenna point of view, this circuit is basically a folded dipole radiating 

above a ground plane. We can decompose this unbalanced excitation of a two-wire 
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Figure 2.19: The total electric field vs frequency (100 MHz to 2 GHz) computed by 
NEC and two-step method for the asymmetrical circuit fed neax comer: r = 3 m, 0 = 
0°. 
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Figure 2.20: The electric field components at 1 GHz computed by NEC and the 
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Figure 2.21: The electric field components at 1 GHz computed by NEC and the 
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transmission line into a conventional balanced excitation and a "push-push" excita

tion [21]. The "push-push" excitation reveals that the antenna currents (common-

mode currents) do not flow through the shorted ends (location where capacitances are 

placed). Thus the common-mode currents are parallel to the two-wire transmission 

line and dominated by the differential cxirrents. But, since the antenna currents flow 

in the same direction on both sides of the transmission line, we can clearly see that 

because of the flow direction of the differential ctirrents, the total current on both 

sides of the transmission line are unequal (see Figure 2.22 for illustration). Thus, 

we see that an increase in the levels of the ^ component of the electric field over that 

predicted for the symmetrically fed line should be expected, as we discovered to be 

true. Also, since the antenna currents do not flow through the loads, the agreement 

between the two-step methodology and NEC for the 6 component of the electric field 

should be quite good, which was in fact the ca^e. By examining results in Figure 

2.19, the contribution from the common-mode current to the total electric field level 

is less than 2 dB /^V. For purposes of EMI prediction this is a very small difference. 

Our last example in this section is that of Figiure 2.17c. In this case we move 

the source to the center of one of the lines of the two-wire transmission line. The 

proper equivalent circuit is as shown in the figure where the loop is modeled as two 

two-wire transmission lines connected end-to-end with the source at one junction 

and a direct connection at the other other junction. In Figure 2.23 we show the 

comparison, between the two-step method and NEC, of the total electric field over 



63 

b 

la 

A JL "JL A 
= v/2® ®V/2 + V/2© ©V/2 

k=p 

z 

(a) 

Z 

(b) 

Z 
(c) 

Figure 2.22: Illustration of transmission line currents, and antenna currents, 1^ on 
the decomposed unbaJanced excitation of a two-wire line: a) unbalanced line with 
currents Ii = If and I2 = h — h] b) conventional excitation; c) push-push 
excitation. 
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the frequency range 100 MHz - 2 GHz. We note that the agreement for this case is 

quite good. Without the end capacitances in the equivalent circuit, the field levels and 

resonance point show significant disagreement. Even though we expected differences 

due to common-mode currents, which will be excited in this assymetrically fed line, 

closer examination of the "push-push" model [21] shows that the antenna currents 

are inversely proportional to an input impedance approximately equal to that of a 

thin-wire antenna of the same length as the two-wire transmission line. Clearly, for 

this model, this impedance is large enough to lead to small antenna currents that do 

not produce ciurrent imbalances large enough to lead to the the differences in levels 

of the E^, component as we found in the case of Figure 2.17b. 

2.4 Summary 

In this chapter, a two-step methodology has been developed to calculate the far-

field radiations from the interconnect portion of a multi-layered PCB. The method 

employs an s-parameter based circuit tool to find the current distributions on the 

multiconductor transmission lines (MTL) and lumped elements of the circuit. Each 

element in the circuit is represented by an s-parameter matrix. This characterization 

of the circuit leads to computing the total currents at the end points of the elements. 

For an MTL these total currents are boundary conditions that enable us to find the 

modal currents on the MTL. The limiped circuit elements are assumed short enough 

to assume that the current is constant through them. 
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Figure 2.23: The total electric field vs frequency (100 MHz to 2 GHz) computed by 
NEC ajid the two-step methodology for asymmetrically fed loop, r = 3m, 0 = 0°. 
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To compute the radiation from the PCB we assume that the currents predicted 

by the circuit analysis yield values close to the actual currents that can be found 

by computer intensive full-wave methods. In the two-step method, the approximate 

currents, found from transmission line theory, are used to describe each point on 

the radiating portion of the PCB circuit as a dipole radiating in the presence of a 

stratified media. 

Although it is well known that transmission line theory does not predict the 

common-mode currents (antenna currents) on the circuit, we have been able to 

demonstrate in the studies included in this chapter that, for interconnects radiat

ing in the presence of a ground plane, the far-fields can be accurately predicted 

with only the differential-mode line currents. We find very good agreement between 

the two-step method and the full-wave tool NEC, a full-wave method based on the 

method of moments, for computing the total electric fields for simple circuits in 

which the cormnon-mode currents are excited by asymmetrical feeding of transmis

sion lines. For common-mode currents excited on extending wires from a PCB, we 

have demonstrated that the antenna current distribution on the wire can be mod

eled by computing the current throught an equivalent capacitor, thus modeling the 

common-mode current as a displacement current. 

We have also demonstrated that a tool based on the methodology described in this 

chapter is the only viable means for computing the radiation from large numbers of 

interconnects. For a structure with only 6 MTLs we found that the two-step method 
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was about two orders of magnitude faster than the full-wave tool, NEC, in predicting 

the total electric field at 91 frequency points. 
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CHAPTER 3 

INVESTIGATION OF THE PML GRID TRUNCATION 

IN THE FINITE-DIFFERENCE TIME-DOMAIN 

METHOD 

3.1 The FDTD Method 

The Finite-Difference Time-Domain (FDTD) method for electromagnetic field 

computation is a well known method, which was first introduced by Kane Yee in 

1966 [23]. Since the time of its introduction, the use of the method has undergone 

exponential growth as measured by the number of publications related to FDTD [24]. 

The method effects a direct numerical solution to the differential form of Maxwell's 

equations. In this method central differencing approximations are applied to the 

space and time derivatives in Maxwell's equations. Yee proposed an algorithm that 

involves a leapfrog time-marching process for solving the approximate equations, once 

the initial, source, and boundary conditions are given. The method avoids problems 

involving the solution of simultaneous equations and matrix inversion. In this sec

tion, the algorithm ideas will be applied to provide the numerical approximations of 

Maxwell's equations in three dimensions. 
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Maxwell's equations in point form are: 

= (3.1) 

-  d ( e E )  -
VxH=-^ + a,E (3.2) 

where fi is the permeability, e is the permitivitty, <Te is the electric conductivity, and 

(Tm is the magnetic conductivity. These parameters axe functions of position. 

In a rectangular coordinate system these equations can be written in the following 

form: 

d z  d y  

dE, dE^ 

d x  d z  

dEr dEy 

d y  d x  

dH, dHy 

d z  d y  

dH^ dH, 

d x  d z  

dHy dH^ 

- O-mHy (3.4) 

- CTmH^ (3.5) 

-a,E,] (3.6) 

(3-7) 

d t  e  \ d y  d x  " ^ = ^ 7  
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By using the central difference approximations for the space and time derivatives 

these equations can be recast into a form suitable for program implementation. The 

E and H fields are interleaved in time and space. Alternate half time steps are 

used to discretize field components in time and the numerical approximation of space 

derivatives is effected by introducing a special lattice called a Yee cell, in which 

the E and H components are located at different positions as shown in Figure 3.1. 

In the following resulting difference equations it is understood that the time index 

variable n in the computer code corresponds to time t = nAt for electric fields and 

t = (n + 1/2)At for magnetic fields. The spatial offsets for field components will 

correspond to the Yee cell configuration, i.e. E^{i,j,k) represents the z component 

of the electric field at time t = nAt at the coordinate x = iAx, y = jAx, and 

z = {k-\- 1/2)A2. 

"  '  2 e i i J , k )  +  c T , { i , j , k ) A t  
2 A t  

2 e { i J ,  k )  +  c r e { i , j ,  k ) A t  

k )  - - 1, k )  k )  -  k - i y  
A y  A z  ( (3.9) 

p n + i ( -  •  _  2 e { i J , k ) - ( T , { i , j ,  k ) A t  
ey — n f ' i,\ i c ' i.\ a •# v ( ' ^  2 e { i , ] ,  k )  +  < r e ( 2 , k ) A t  "  

2 A t  

2 e { i , j ,  k )  +  a - e { i , j ,  k ) A t  

k )  -  k  - 1) k )  - -  l,i, k )  

I  A z  A x  ) (3.10) 



Hy(ij+l,k) 

X 

Figure 3.1: Yee Cell. 
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B'+Hi i k) = ; k^4. 
'  ' 2^ii,j,k) + >7.(Ui,k)i^t 

2Af 
2e(i, j, k )  +  < T e { i J ,  k ) A t  

k )  - H ^ j i  - l,i, fe) y, k )  - i - 1, fe)' 
Ax A y  

(3.11) 

2A< 

2 e ( i , i ,  f c )  +  k ) A t  

f E n i J  +  l , k ) - E - { i , j , k )  E ^ { i J , k  +  l ) - E - { i J , k ) \  

{ A y  A z  

un/ - • L\ _  2e(z', J, fc) rjn-lr: j U\ 

2A* 
2e(i, J, A:) + o-„i(i,y, fc)Af 

/ k + 1 ) -  E ^ j i J ,  k )  E ^ { i  + 1, j, k )  -  E ^ j i J ,  k Y  

\  A z  A x  
(3.13) 

T T T i / -  •  t . \  _ A;) <7m(i,i, fe)A< 

2 A t  

2 e { i , j , k )  +  < T m { i J , k ) A t  

f E - i i  +  l , j , k ) - E ^ { i , j , k )  E ^ { i J , k ) - E ^ { i J , k ) \  

[  A x  A y  J  ^  '  

The cell dimensions, A x ,  A y ,  £ind A z ,  will depend on the smallest wavelength for 

which accurate results axe needed. In addition to this constraint, the features of any 
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paxtictilax geometry will provide another consideration. In general, a cell size of about 

A/20 will sxiffice for many problems. The time step is determined by the stability 

condition, which was first correctly presented by Taflove [25] for an orthogonal-grid. 

This stability condition is given in the following equation: 

where v is the maximum velocity of propagation in ajiy medium of the problem. 

Clearly, the gridded space one can achieve with the FDTD method is finite. In 

our work it becomes necessary to simulate open regions whereby radiating energy 

propagates to infinity. In FDTD this is achieved by implementing an absorbing 

boimdary condition which permits radiation energy to propagate through the trim-

cation boundaries without appreciable artificial (numerical) reflection. This issue of 

reflectionless truncation and the specifics of the the absorbing boundary condition 

implemented in our work will be the subject of this chapter. 

3.2 The Perfectly Matched Layer (PML) Grid Truncation 

For the purpose of the numerical simulation of electromagnetic radiation from 

distributed sources of high complexity (such as the geometries of a single-chip package 

and/or printed circuit boards) the use of almost reflectionless absorbing boundary 

conditions for numerical grid tnmcation is critical. The availabiUty of such conditions 

is even more critical for the success of the methodology we are proposing in this work 

since, as discussed in the subsequent sections, we use the resonances of the current 

uAi < 
1 

(3.15) 
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distribution in the interconnect network to predict the radiation characteristics of 

the system. Waves reflected from the truncation boundaries of the grid give rise to 

spurious resonances associated with the dimensions of the computationai domain, 

which may lead to erroneous conclusions. 

In order to deal with this issue, we implemented Berenger's Perfectly Matched 

Layer (PML) PML [13]. The PML is an artificial medium which is theoretically 

reflectionless for any polarization, angle of incidence (other than grazing), and fre

quency. 

3.2.1 Split Field Formulation 

The central novelty of Berenger's PML [13] is the splitting of the electromagnetic 

fields into sub-components, and the introduction of electric, and magnetic conduc

tivities, a and tr*, respectively, in an artificial layer placed aroimd the computational 

domain to cause a directional attennuation of the fields propagating through it, while 

maintaing the phase matching at its interface with the physical domain so that no 

reflection occurs. For completeness and clarity, we will briefly describe what is meant 

by the splitting of the fields as first illustrated in [13]. 

Consider the two-dimensional problem where the fields are invariant in the z-

direction and involve only the three components Ex, Ey, and Hz. Maxwell's equations 

can thus be reduced to the following 

" " ' B y  ^ ^ 
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(3.17) 

(3.18) 

For the case where a plane wave propagates normally across a air-medium interface 

it can be easily shown by analogy to distortionless propagation in transmission lines 

[26] that no reflection occurs if the following condition is satisfied 

a a" 
- = - (3.19) 
Co l io 

This condition for terminating FDTD grids is limited by the increasing reflectivity 

as the angle of the incident plane wave increases. The PML technique overcomes 

this limitation by allowing independent control of attenuative propagation in the x-, 

y-, and z-direction. In the PML mediimi, this control of attenuation in different 

directions is effected by the splitting of fields into subcomponents. For the TE case 

we are presently considering, the component is split into two subcomponents, 

and where the subscripts x and y denote the direction of the propagating wave. 

This splitting of the magnetic fields results in the following set of four equations 

dEr , rn dH^ + H^y 
(3.20) 

(3.21) 
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ZX 
d x  

(3.22) 

(3.23) 

If <Ty = c* = 0 PML absorbs Ey, Hzx along x but does not absorb Ex, Hzy. 

From these equations we note that the portion of the magnetic field traveling in 

the X direction, Hzx caji be attenuated at a different rate thaji that portion of the 

magentic field traveling in the y direction Hzy. This property of the PML can be 

shown to lead to refiectionless propagation of electromagnetic waves from an non-

PML medium to a PML medium provided the conductivities satisfy the matching 

condition [13] 

The extension of this theory to edge and comer regions occurring when PML layers 

aje used to surround a computation domain shaped as a parallelpiped is given in 

[13]. For the purposes of numerical implementation of the split-field PML equations, 

it was suggested that exponential differencing should be used for the time derivatives. 

We have implemented this method to obtain the following difference equations: 

1 

L 

(3.25) 
At/ 
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E:AiJ,k) = E2,{i,j,k)e-f^' + 
1 — e 

yx\  

'zy' 

k - 1 )  -  k )  -  k )  
A z  

= = 
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A x  

i J ,  k )  =  £;,(<, J, + 
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O z  

, j , k )  +  H 2 * ' { i , j , k )  k - i ) - H : T H i j , k - i ) '  
A z  
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<Tx 

' H y ^ ' i i  j , k )  +  H ^ * ^ { i , j , k )  -  H y ^ H i - l , j , k )  -  H y ^ H i - l J , k ) '  

A x  

h i ,  k )  = E r ^ [ i J , k ) e - ^ ' "  + h i ,  k )  = E r ^ [ i J , k ) e - ^ ' "  + 

- i , k ) - H : i  k ) - H x t ^ { i , j ,  k )  

A x  

(3.26) 

(3.27) 

(3.28) 

(3.29) 

(3.30) 

H U i J , k )  =  H U i , j , k ) e - ' ^ ^ '  +  
1 — e 

-2tAt 

cr* y 

{ i j ,  k )  +  { i , j ,  k )  —  E z x ^  { i j  +1, k )  -  E z y ^  { i , j  +1, k )  

Ay 
(3.31) 

H:,iiJ,k) = H^,,{iJ,k)e-'^^' + 

E y x ^ j i J ,  f e + 1 )  +  E y ^ ^ { i J ,  f c + l )  -  E y x ' ^  ( j ,  j ,  k )  -  E y ^ ^ { i J ,  k )  

Az 
(3.32) 
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1 — e 

crZ 

E:;tHi+ij, k) + (f+l,y ,  k) -  E^PjiJ, k) -  k) 

Ax 

nn+^/.  n+^z- • nn+7/- • 
(3.33) 

H ' { i , j , k )  =  H ; , i i , j , k ) e - t ' "  +  
1 — e -^Atl 

( ^ i >  f c )  +  { i j ,  k )  -  ( i , j ,  f e + 1 )  -  E 2 t '  j i j ,  f e + 1 )  

A z  
(3.34) 

H:,{iJ,k) = H%{hhk)e-'^^' + 
1 — e _^At 

<̂ z 

E y x " "  { i , j ,  k )  +  E y z ^  { i , j ,  k )  -  E y x ^  ( ^ ^ + l , i ,  k )  -  ( ^ ^ + l , i ,  k )  

A x  
(3.35) 

1 — e -^At 

^ ^ : i " ' ( z , y + i ,  f e )  +  E : f ^ i , j + 1 ,  k )  -  i ; ? ^ ( f , i ,  k )  -  E ^ t H i J ,  k )  

A x  
(3.36) 

The PML conductivities axe assigned directly at the corresponding field locations 

on the grid. They axe chosen to satisfy the matching condition 

fi = fl 
e  ~  n  

(3.37) 

where i  indicates the direction ( x ,  y ,  or z )  and <7* represents magnetic losses. As 

shown by Berenger, this condition, combined with the splitting of the fields enforces 

the continuity of the wave impedance and a phase velocity that is independent of 

frequency. To reduce the numerical reflections from the PML interface a gradual 
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spatial vaxiation of the conductivities is used, wliich for our purposes is selected to 

be quadratic 

(3.38) 

L is the length of the PML, x,e[0,Z], and <7t,max is the maximum conductivity value. 

The PML region is terminated with a Perfect Electric Conductor (PEC). The ap

parent reflectivity from the PEC-backed PML region at normal incidence is given 

by [13] 

R = e 'oc (3.39) 

where (cr,) denotes the average conductivity value. The general PML implementation 

for a two-dimensional grid is shown in Figure 3.2. 

3.2.2 Selection of PML Parameters 

The following procedure is used to select the parameters of the PML regions. 

First, the conductivity of a PML region is selected based on the field variation within 

that region. We need to be able to resolve the field decay, e"®*/'', where 

(^'•) V f 

In order to resolve this decay, the cell size in the PML region is chosen to be a fraction 

of this decay length dfm where m is an integer. In order to minimize the effects of 

numerical dispersion, the normal cell size, h, is typically selected to be A/n with 

n w 20. At the interface the cell sizes in the PML and the region of interest are 



Figure 3.2: General implementation of PML in FDTD grid. 
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equated yielding the relation 

= ZL/ (3.41) 
e m 

Based upon the desired reflectivity R = 10"' the length of the PML is determined 

from (3.39) to be 

3.3 Investigation of PML Proximity Effects 

In the course of developing our methodolgy we investigated some of the PML 

characteristics in order to answer questions about any perturbations that might arise 

from bringing the PML to within a few cells from the radiating structures. It is 

desirable to bring the PML as close as possible to structures so that the size of that 

portion of the computational domain that does not include any parts of the radiating 

structure is kept at a minimum. The investigation begins with the impact of PML 

proximity on the propagation characteristics of microstrip lines. Next the impact on 

radiation properties of antenna structures is examined. Finally, its impact on the 

accuracy of the equivalent currents on the Huygen's surface used for the calculation 

of far-field radiation is examined. 

3.3.1 Microstrip Line 

In PCB structures the interconnects between components are microstrip lines. 

Thus, it is important to examine this wave guiding structure in the context of the 

(3.42) 
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implementation of the PML. The microstrip line we excimined is shown in Figure 3.3. 

The line is 2.4 mm wide, on a substrate of dielectric constant e, = 2.2, 0.795 mm 

above a ground plane, and designed to have a chaxacteristic impedance of 50 0. Both 

the line and the substrate extend into the PML region. The grid size is Az = 0.4mm, 

Ay = 0.4mm, and Az = 0.265mm. PML parameters for the grid were selected by the 

method outlined in Section 3.2.2; the maximum conductivity in all layers is c = 8.6 

mhos/m, and the PML length is 8 cells in the x and y directions and 12 cells in the 

z-direction. The line is excited by a gaussian pulse voltage gap generator connected 

to a wire (the wire is modeled by zeroing electric fields along its length) near the 

center of the strip. To gauge the effects of the PML proximity we examined the 

caJctdated characteristic impedance of the line as well as the effective permittivity 

of the substrate. Before we discuss the results of this study we will first present 

a discussion of the proper implementation of the PML when dielectric substrates 

extend into the PML. We found that if certain conditions are not met, a late-time 

instability will result in the FDTD solution. 

3.3.1.1 Late-time Instability 

It has been reported that late-time instabilities have been observed in the im

plementation of Berenger's PML in regions that have layered inhomogeneities [14]. 

When we first implemented the PML into our FDTD grid, we also observed insta

bilities for cases having layered media. We will demonstrate that the instability 
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Figure 3.3: Microstrip line in PML/FDTD grid. 
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arises from the violation of Snell's law, and show that it is important to observe the 

"anisotropy" of the conductivities in the PML region. 

It has been shown that the treatment of different dielectric materials extending into 

the PML require consideration of Snell's law [27]. As pointed out in [27], for materials 

that have the same magnetic permeability, SneU's law is observed by requiring that 

the magnetic losses for materiais be the same. This in effect requires that the electric 

conductivities vary from region to region according to 

^ ^ (3.43) 
ei £2 

In the first numerical study, the conductivities for the PML region that is used 

in the substrate were chosen to be the same as those for the PML used to truncate 

the air region. From Equation 3.43 it is clear that the required equality is violated. 

In Figure 3.4 we show the results of this incorrect implementation of the PML for 

inhomogeneous dielectric layers. At a point 8 mm down the line from the probe 

position we observe the voltage for a Gaussian pulse as it propagates down the line 

toward the PML; we see the pulse passing the observation point and then almost 

immediately see an oscillatory variation in the voltage. This oscillation in voltage 

increases indefinitely. After some thought, violation of the continuity of electric flux 

is suspected to be the source of spurious charges that contribute to this instability. In 

Figure 3.5 we show the normal electric flux density inside the PML above and below a 

point located at the dielectric interface for the case when Snell's law is not observed. 
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As caji be noted, the electric flux density becomes discontinuous; a violation of the 

well know electromagnetic boundary condition of continmty of the normal electric 

flux density at media interfaces. These spurious charge densities are the source of 

the observed instability. 

In the second study, we properly assign the conductivities according to Snell's Law 

but fail to account for the "anisotropy" inherent in the assignment of conductivities 

neax the dielectric interface in the PML region. At the interface, the normal com

ponent of the electric field is assigned the same conductivity as that assigned to the 

tangential field components. The "anisotropy" referred to arises from the fact that 

in the FDTD grid the normal component of the electric field at an interface is a half 

cell above the interface and hence should be assigned a conductivity accordingly. In 

Figure 3.6 we show the results of failing to assign the conductivity properly. Although 

of a different manifestation, we once again observe an instability arising after about 

1000 time steps. 

Figure 3.7 shows the voltage pulse for the case of a PML which is properly matched 

and has the same magnetic losses for all regions (Snell's law observed). The normal 

electric flux density inside the PML above and below a point located at the dielectric 

interface is shown in Figure 3.8. We see that the flux is continuous, as it should be. 

The late-time instability due to the "anisotropy" was removed by properly assigning 

the conductivity values near the air/dielectric interface as shown in Figure 3.9. Note 

that in the direction parallel to the interface the conductivities can be assigned on a 
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Figure 3.4: Voltage pulse. Violation of Snell's Law in PML. 
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Figure 3.5: Electric flux at interface at a point in PML.Violation of Snell's Law. 
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Figure 3.6: Voltage pulse. Violation of "anisotropy" of FDTD in PML. 
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cell by cell basis. However to avoid the late-time instability, in the direction normal 

to the interface the conductivities must be assigned on a half-cell basis. Another way 

of achieving this is to eissign the conductivities on a nodal basis in all directions. 

3.3.1.2 Low-frequency Effects 

Once the PML is constructed correctly to avoid instabilities, we are able to proceed 

with the investigation of the proximity effects of the PML on the microstrip line. In 

Figure 3.10 we show the effective permittivity for the microstrip line structure for 

three buffer cases as describe in the figure. The first case incorporates just a one 

cell buffer zone. The second case places 3 cells in the buffer zone in the x-direction 

and 5 cells in the z-direction. The third and final case has 6 buffer cells in the x-

direction and 9 buffer cells in the z-direction. It is clear that some small perturbation 

is occurring as the PML is brought to within 1 cell of the microstrip line, especially 

at the low frequency end of the spectrum. Across the band considered (386.5 MHz 

- 20.0GHz) the differences in the computed values of effective permittivity was less 

than about 1.8 %. At 386.5 MHz 1 cell is about l/2000th of the free space wavelength. 

This restilt suggest that the PML can be brought extremely close to microstrip line 

structures. In Figure 3.11 we show the PML proximity effects on the computation of 

the characteristic impedance of the microstrip line. Again we see small perturbations 

at the low frequencies, with the 1 cell buffer case once again exhibiting the most 

pronounced effects. In the computation of the characteristic impedance we included 
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Figure 3.7: Voltage pulse. PML constructed correctly. 
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Figure 3.9: FDTD grid illustrating PML conductivity assignments. 
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the dc frequency. In the band 386.5 MHz - 20.0GHz, the differences in computed Zo 

is less than about 2 %; however the dc values indicate that the perturbation becomes 

quite pronounced for the 1 cell case for the set of frequencies between 0 Hz and 

386.5 MHz. The second buffer zone case exhibits considerably less perturbation as 

compared to the final case, which can be regarded as the reference data for this study 

since it is contains the largest buffer zone dimensions. 

This study suggests that we can, in a qualified measure, place the PML extremely 

close (1 cell) to the microstrip lines; however additional buffer distances will be needed 

to avoid inaccuracies at lower frequencies and also to establish the convergent values 

for the line parameters. Since the exact number of buffer cells needed to avoid the low-

frequency perturbations can be a function of the dielectric constant of the substrate 

and dimensions of the microstrip, it is left as future work to conduct a parametric 

study on the impact of the proximity of the PML as a function of these line variables. 

This study was used to guide our choice of buffer cells for the applications presented 

in Chapter 4. Generally, the number of cells was chosen to provide approximately 1 

to 2 mm of distance between a guiding structure and the PML. 

3.3.2 Return Loss for Single Microstrip Patch 

In this section we investigate the PML proximity effects on a single radiating 

microstrip antenna. The geometry of the patch and the FDTD problem space is 

shown in Figure 3.12. The microstrip antenna is a 41.275 mm square, zero-thickness. 
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Figure 3.10: Effective permittivities for different buffer zone sizes. 
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perfectly conducting patch, located on a conductor backed dielectric substrate with 

a nominal value of relative permittiviy = 2.50. The substrate is 3.175 mm in 

thickness. The cell sizes used in the FDTD simulation are Ax = Ay = Az = 1.5875 

mm. The probe source is modeled by using a z-directed electric field "generator" 

just above the groimd plane and connected to the patch through a conductor wire 

modeled by z-directed cell edges of perfect conductor. To study the effects of the 

PML on the radiation characteristics of the patch, we varied the distance between 

the patch edges and the PML layers and noted the effects on the return loss of the 

patch as a function of frequency. For probe-driven patch antennas the following 

method is used to determine the return loss. First, the input impedance at the probe 

is found by simply Fourier transforming the input voltage and current with an FFT 

and taking the ratio of the complex voltage and current at each frequency, V(u)//(u;). 

A correction factor is introduced into this calculation to accoimt for the fact that the 

voltage and current are offset in time by half a time step [42]. The return loss is then 

found from the definition of the scattering parameter, 5ii 

Sn = (3.44) 
"r 

where Zo is a reference impedance taken to be equal to the value of the impedance 

of that frequency for which « 0. The frequency for which this reactance is 

interpolated to be zero is where resonance occurs. 

In the first study, we used a 1 cell buffer zone between the PML and the patch 

edges and top surface. The PML layers are 9 cells in length with a maximum electric 
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Figure 3.12: Probe-fed microstrip patch. 
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conductivity of 3.97 mhos/m. The problem grid space for this example is 25392 

cells. To reduce the number of FDTD time steps needed we implemented a simple 

source with an internal resistance as done in [28]. This concept is illustrated by 

the circuit model shown in Figure 3.13. The resistor provides an additional loss 

mechanism, other than radiation, and thus accelerates the dissipation of energy from 

the microstrip patch antemia. This resistor model did not exhibit the instabilities 

that were reported for a similar scheme by Kunz [29] where only resistors in the range 

of 0 to wlOO n could be modeled. 

In Figure 3.14 we show the highly resonant nattire of the antenna for the case 

when the internal resistance is set to zero. Clearly, without an internal resistance, 

many thousands of time steps would be necessary for the transient response to settle 

down. In Figure 3.15 we show the input voltage and input current for the case of 

a 50n internal resistance. As is clearly shown, most of the transient pulse is gone 

after less than 4000 time steps. Figure 3.16 shows the real and imaginary parts of 

the antenna input impedance, which indicate a resonant frequency is occurring near 

2 GHz. 

For the second study we increased the buffer distance to 5 cells. This buffer size 

increased the problem space to 46656 cells. Our third example used a buffer zone of 

10 cells in length with a corresponding problem space size of 86016, more than 3 times 

the case of the 1 cell buffer example. In Figure 3.17 we show the return loss from 0 to 

5 GHz for all three cases (a characteristic impedance of 25 vras used as the reference 
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Figure 3.16: Real and imaginajy parts of the input impedance. 
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impedajice). As is clear frota the figure, the effect of the PML is insignificant for this 

structure near its resonant frequency. However, a small but apparent pertubation of 

return loss by the PML is noticeable in the very low frequency of the spectrum for the 

1 cell buffer ca^e. It is worth noting that the computed values of the return loss near 

the first resonance for aU three cases of varying buffer distances point are very close to 

the measured values. This is discussed in further detail in the following paxagraph in 

conjimction with a study of the impact of the manufacturer's tolerance specification 

of the material (Duroid) permittivity on the predicted resonant frequency of the 

patch. 

According to [30] the material has a specified dielectric constant, Cr = 2.5 ± 0.05. 

In Figure 3.18 the return loss, 5ii is plotted for the cases of = 2.45, Cr = 2.5, and 

tr = 2.55. The effect on the resonant frequency is seen to be small but noticeable, 

spanning 40 MHz from low resonajit point to high resonant point. As can be seen 

in Figure 3.19 the match between the measured return loss [30] and the computed 

values for a patch on a substrate dielectric constant of 2.45 is excellent. 

3.3.3 Coupling Between Two Microstrip Patches 

In this section we are interested in the PML proximity effects on antenna array 

radiation, since the main interest of this work is the modeling of radiation from 

"distributed" antenna structures. The results from the single microstrip patch study 

suggest that perhaps we can bring the PML very close to the radiating sturcture and 
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taJce advantage of the reduction in computation overhead that the PML could provide. 

However, from antenna axray theory it is well known that radiation characteristics of 

distributed antenna structures are affected by interaction between the radiating parts. 

As a vehicle for examining the impact of the PML proximity on such interaction, a 

two-element microstrip patch antenna array is considered. 

For the calculation of mutual coupling between the two patch antennas, standard 

two-port network techniques axe used. More specifically, consider the case of two 

probe-fed patch antennas. Let Vi, /i, V21 and I2 be the input voltages and currents 

at the two driving ports. A relationship between these parameters in terms of the 

admittance matrix [Y] of the two-port is as follows: 

The elements of the admittance matrix axe then foimd by driving one of the 

antennas while short-circuiting the driving point of the other. For example, with 

V2 = 0, is simply found as the ratio /i(a;)/Vi(a;), while Y2\{tjj) is given by 

l2{u))/Vi{uf). The scattering parameter matrix of the two-port is found from the 

admittance matrix through the relationship 

hiu) = KiiMViM -h Yi2(U;}V2(UJ) (3.45) 

hH = r2i(u;)Vi(u;) 4- Y22{u;)V2{u) (3.46) 

[5] = m Z.[Y])-\[U] - z,[y]) (3.47) 
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where Zo is a reference impedance and [U] is the unit matrix which has elements 

equal to one on the main diagonal and zero elsewhere. As before, Zo is chosen equal 

to the real part of (j) at resonance. 

The chosen structure for investigating the coupling between two antennas was one 

of the coupled patch studies presented in [31] for which measured data are available. 

The patches were 5.0 cm wide, 6.0 cm long, and coupled along their length {H-

plane coupling). The substrate thickness was 0.3050 cm with a relative dielectric 

constant of 2.5. The cell size in our FDTD grid was Ax = Ay = 6.02 mm, and 

Az = 1.525 mm. The maximum conductivities used for the PML layers were <Tx = 

(Ty = 0.4145 mhos/m, and = 1.636 mhos/m. Also, according to [31], the small 

thickness of the substrate makes the coupling due to the space wave the dominant 

coupling mechanism. This coupling mechanism, if actually dominant, was desirable 

since the purpose of this study was to investigate how the distance of the PML region 

from the array plane impacts mutual coupling. Both patches were probe-fed at the 

center of the 5-cm side, as shown in the insert of Figure 3.20. The distance d was 

taken to be 1.204 cm. At this point, it is appropriate to mention that there is no 

specific information in [31] regarding the distance d used in the measurements. Also, 

in [32], measurements by [31] for a similar structure are used to compare to a moment 

method solution; however, values of 2.55 to 2.59 for the permittivity were used to 

obtain best results. Furthermore, there is some inconsistency in the reporting of the 

measured data in [31] with regards to the actual thickness of the substrate. 



109 

d = li04cm HZ 

-10 

IS,/ 
dB 

-20 

• Measured 

• FDTD 

-30 

• 

-40 ' .J— L J- J I u 
10 15 

s (cm) 
20 25 
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Our simulations, with the aforementioned values for d ,  substrate thickness, and 

a permittivity Cr = 2.55, predicted a resonant frequency of 1.63 GHz, instead of 

the design frequency of 1.56 GHz reported in [31]. The coupling coeflScient S\2 was 

calculated using the approach outlined previously. Several cases were considered, 

including a 1-cell buffer layer between the patches and the top PML region, a 5-cell 

buffer layer, and a 10-ceU buffer layer. Figure 3.20 shows the compaxison between the 

calculated jiSiaP values by FDTD at 1.63 GHz with a 5-cell buffer layer and measured 

data at 1.56 GHz for five different values of spacing, s, between the patches. 

For the cases where the coupling spacing, 5, was 2.4 cm, the proximity of the 

PML had very little effect on the coupling levels (less than .175 dB variation). Based 

on the fact that our absorbing PML layer was very close to the patches (1 cell), 

we conclude that the dominant coupling mechanism for the coupling spacing of 2.4 

cm is not a space wave but rather a stirface wave. For the case where the coupling 

spacing was 4.81 cm, the variation between the 1 cell and 5 cell buffer zone was 

approximately 0.5 dB. For larger spacings, preliminaxy results indicated an even 

stronger effect on the coupling due to the PML proximity; for a spacing of 9.62 cm 

our calculations of the coupling coeflBcient was within about 1 dB of the measured 

data for both the 1 and 5 cell buffer zone cases. For the 14.42 cm spacing the change 

in coupling coeflBcient between the 1 and 5 cell buffer zone case was significajitly 

larger; about 5 dB. For the largest spacing of 19.23 cm we computed about a 3 dB 

variation in the coupling coefficient. We should point out that the computations for 
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both buffer zone cases for these last two separations were significantly higher than 

the measured values. For these cases we decided to increase the absorption of the 

PML by increasing the conductivities to about a factor of 10 of the conductivity 

values predicted by the method outlined previously. This increase in conductivity 

was initially used as a benchmark value and performed well, but smaller values are 

likely to perform adequately as well. We accounted for any possible contributions due 

to reflections from the PML layer by again varying the distance between the PML 

and the patch plane from 1 cell to 5 cells. For the patch separations of 9.62 cm and 

14.42 cm the absolute variation was less than 0.5 dB, and the computed coupling 

coefficients were in good agreement with the measured values. The most significant 

variation in coupling level occurred for the largest patch separation distance of 19.23 

cm where the coupling decreased by aimost 2.5 dB as the top buffer layer increased 

from 1 cell to 5 cells. As a further check on the values we chose to plot, we computed 

the coupling coefficient for the 19.23 cm separation case by increasing the original 

PML conductivity values by only a factor of two and increasing the buffer zone size 

above the patch array surface to 20 cells. Results from this case were within 0.2 dB 

of the 5 cell buffer zone case where the original conductivities were increased by a 

factor of 10. 

The results in this study indicate that the coupling is sensitive to the reflections 

from the PML, and the fact that perturbational changes in the levels of coupling 

occur as we change the distance between the PML and patches is indicative of the 
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fact that an interference does indeed occur between reflected waves from the PML 

and direct waves (both space and substrate). 

We conclude that the outlined method for selecting the PML parameters, con

ductivity and length, has limitations in accurately computing coupling coefficients 

between patch antennas, especially for the case of weaJc coupling. If the patches are 

closely spaced, say within a quarter of a wavelength, then the PML can be brought 

very close (1 cell) to the array face. For larger spacings between patch antennas, the 

distance between the PML and the array interface must be significantly increased. 

However, if modifications to the PML conductivity are made, which in our case was 

merely increasing the conductivities, the PML can once again be brought closer to 

the antenna face. These results are in accord with the recent work done by Berenger 

[40] where he shows that when the PML layer is set very close to a scatterer, the PML 

is not reliable imless a relation between the layer thickness and problem electrical size 

is resolved. 

3.4 A Near-to-Far Field Transformation For FDTD At a Single Fre

quency 

The computation of the far-field radiation from the recorded near fields around a 

PCB structure requires the use of the equivalence principle, also known as Huygen's 

principle. The radiation can be obtained by computing the electric current distribu

tions on a radiating structure, but these currents may be quite complicated functions 
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of position. Huygen's principle ailows us to compute the radiation without having 

to deal with these primary current distributions. The technique involves finding the 

magnitude and phase of the equivalent surface currents on a Huygen's surface en

closing the radiating object of interest. If the object radiates into free space, the far 

fields are found by transforming these equivalent currents over the free-space Green's 

function [34], [35]. 

In this section the impact of PML on the accuracy with which these equivalent cur

rents on the Huygen's surface are calculated is of interest. However, before embarking 

on this investigation we need to develop a procedure for obtaining the equivalent cur

rents, For this we describe and validate a simple but novel technique for finding 

the far-fields from the near-fields at a single frequency. A previous method [36] for 

finding the fields is similar in concept, but we incorporate a scheme for finding the 

magnitude and phase of our phasor currents not previously described. In addition, 

because of the layered structures found in multilayer PCBs, we develop a near-to-

fax field transform for this much more general case of radiation in the presence of a 

stratified media. 

For single frequency excitation of our FDTD grid, the near-to-fax field scheme 

based on the Huygen's principle requires that we find the equivalent complex electric 

and magnetic surface currents h x E and h x H, respectively, on the mathematical 

surface box enclosing the radiating structure. Once we have the surface currents we 

can compute the far-field. 
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The general time-domain form of the current density at a point on the mathemat

ical surface is: 

J(0 = Jo cos{u;ot a(f) (3.48) 

where a{ t )  is an imcorrelated function describing the numerical noise caused by the 

source tum-on transient. 

In view of (3.48), Jo and <{> may be calculated through the following integration 

1 ra+mT . 
(3.49) 

Analytically, in view of (3.48), this is an easy integration, with the result 

Pn =  

However, J { t )  is available only numerically from the FDTD integration. Thus F„ 

can be obtained only by numerical integration. There are two ways to perform this 

integration numerically. We can, after a nimiber of cycles, record the time signature 

for each point on the mathematical surface for one or more periods and then perform 

the integration. However, this method would use a prohibitive amount of computer 

storage. The more efficient algorithm would be to perform the integration "on the 

fly". This second approach is what is cvirrently used in conjunction with FDTD 

codes. 
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An. alternative method to numerical integration is also possible. First, after suffi

cient run-time so that the tum-on treinsient effect has become negligible, we choose 

a reference time, which we will call "time zero", to. The first derivative of J{t) at 

this point can be estimated numerically. It is simple to show that the phase of the 

surface current density signal can be found from the following equation (with io = 0 

and no loss in generality): 

= (3.51) 

Once we know (j>, the amplitude of the signal can be found as well 

Jo = (3.52) 
cos((p) 

So, no numerical integration is required to find the phase and amplitude of the 

equivalent surface currents. 

Once we have found the equivalent surface currents on the Huygen surface, we can 

find the fax-fields from these currents by integrating them against the proper Green's 

fimction to find the potentials and thus find the fields. If the Huygen surface encloses 

a radiating structure in free-space then the free-space Green's function can be used. 

However, in the context of the structures found in packaged electronics it becomes 

necessary to consider sources radiating in the presence of stratified media. Thus we 

have formulated the derivation of the far-fields from a Huygen surface which can be 
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imbedded in a layered media. The details for this more general formulation is given 

in Appendix B. 

3.5 Investigation of Near-to-Far Field Transformation 

In this section we will investigate the PML impact on the accuracy of the surface 

currents described on the Huygen's surface in conjunction with the problem of radi

ation from a monopole antenna. Our investigation begins with the validation of the 

neax-to-fax field transformation for radiators imbedded in a stratified medium. 

3.5.1 Hertzian Dipole Imbedded in a Stratified Medium 

The validation of the neax-to-far field formulation for radiating structures imbed

ded in stratified media is done by considering the structure shown in Figure 3.21. 

In this figure a Hertzian dipole is imbedded in a conductor backed substrate. The 

substrate has a superstrate situated above the layer as shown in the figure. Re

sults for this radiating structure were obtained in [33] by the theorem of reciprocity. 

For the FDTD model we choose a small dipole of 3 cells in length as our radiating 

element. For the chosen discretization and frequency of excitation this dipole is ap

proximately l/50th of a wavelength in the substrate. The cell sizes for our grid are 

Ax = Ay = Az = 0.2 cm. The frequency of excitation is 751.89 MHz. The substrate 

and superstrate dimensions are 15.8 cm and 1 cm, respectively. The substrate has 
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relative permittivity = 2.1. The superstrate has relative permittivity Cr = 100. 

The dipole was located 7.8 cm above the conductor. 

The Huygen surface, illustrated in Figure 3.21, was taJcen to be 1 cell from the 

dipole in all directions except, of course, in the direction below the dipole. For this 

direction the correct Huygen's surface extends down to the conductor plane and 

then extends out to infinity in the positive and negative x-direction. It is easy to 

demonstrate that current elements on the part of the surface parallel to the conduct

ing substrate do not contribute to the far-field radiation; the magnetic currents are 

zero on a perfect electric conductor and by the application of image theory we know 

that radiation from electric currents on the surface of perfect electric conductors is 

"shorted out". Because the near-to-far field algorithm we have implemented accounts 

for radiation from dipoles imbedded in a stratified media we have the advantage of 

not having to choose our Huygen surface above the superstrate as would be necessary 

if the free space Green's function were to be used. From a computational point of 

view we can thus minimize the number of surface currents needed for the transform 

and aiso omit the approximation inherent in choosing a Huygen surface above the 

superstrate as the assumption would have to be made as to where to truncate the 

Huygen's surface in order to include the significant majority of the radiating currents. 

The radiation patterns in the E- and H-plane for the dipole in Figure 3.21 are 

shown in Figure 3.22. We compared these field levels to those fotmd in [33] and 

found excellent agreement. We note that the peak gain occurs a.t 9 = 45". We also 
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note that the gain in the H-plane of the structure {<f)  =  90°) is 5.38 dB higher than 

the gain in the E-plane = 0°). This difference compares well with the 5.33 dB 

difference reported in [33]. 

3.5.2 Monopole Antenna 

In this section we investigate the PML impact on the near-to-far field transfor

mation by monitoring the directivity of a monopole antenna as a function of the 

surface ajea chosen to find the phasor currents. We also investigate another feature 

of the Huygen principle that is of interest, that being the accuracy of the method as 

a function of the proximity of the surface to the radiating structure. 

3.5.2.1 Directivity as a function of Huygen Surface Area 

In Figure 3.23 we show a monopole antenna. The monopole is 15 cm in length and 

modeled by zeroing the appropriate cell edges in the FDTD grid. The physical space 

is 22x22x26 cells. The cell size is 1 cm x 1 cm x 1 cm. The frequency of excitation is 

466 MHz. In Figure 3.23 we also show 4 Huygen surfaces having distances from the 

anteima of 1 cell, 2 cells, 5 cells, and 10 cells. In Table 3.1 we tabulate the radiated 

power, maximum radiation intensity and directivity of the monopole as a function of 

the surface area spanned by the chosen Huygen surface. 

The values for directivity compare very well to that of an ideal monopole of in-

finitesimally thin radius (1.64). We note that the variation of directivity is small as 

the Huygen surface area increases. We note that the Huygen surface can be brought 
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Figure 3.22: Electric far-fields for Huygen surface: a) E-plane, b) H-plane. 
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extremely close to the radiating structure and still provide accurate radiation results. 

For the wavelength and cell sizes considered in this study the minimun distance of 

the Huygen surface from the dipole was approximately Ao/64. At this point we are 

interested in what effect the PML has on our computations. We note that for the 

largest Huygen surface its separation from the PML is only one cell. We will in

vestigate in the next section whether the PML is having a significant effect on the 

directivity computations, but from the evidence here we can state that the Huygen 

surface caji be quite close to the radiating antenna and still produce good results for 

far-field radiation. 

3.5.2.2 Directivity as a function of PML proximity 

In this section we investigate the PML proximity effects on the near-to-far field 

transformation. We take the structures from the previous section and reduce the 

buffer zone lengths so that each Huygen surface is one cell distant from the PML. 

The results are tabulated in Table 3.2. 

By comparing the tables it is immediately clear that the variation in directivity 

is due to the increased Huygen surface area and that the PML has only a very small 

impact in the computed directivities, the largest being less than .01 %. 
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Surface Area Power Radiated Max. Intensity Directivity 
2x2x16 
4x4x18 

10x10x25 
20x20x35 

5.2026E-04 
5.2116E-04 
5.2638E-04 
5.4186E-04 

1.3635E-04 
1.3663E-04 
1.3818E-04 
1.4311E-04 

1.6467 
1.6473 
1.6494 
1.6594 

Table 3.1: Directivity of monopole vs Huygen surface area. 

Surface Area Power Radiated Max. Intensity Directivity 
2x2x16 5.2032E-04 1.3636E-04 1.6466 
4x4x18 5.2132E-04 1.3666E-04 1.6470 

10x10x25 5.2638E-04 1.3824E-04 1.6496 

Table 3.2: Directivity of monopole anteima vs PML proximity of 1 cell. 
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CHAPTER 4 

FDTD METHODOLOGY INVESTIGATION OF 

RADIATED EMISSIONS 

In this chapter we develop and apply a methodology for obtaining the far-fields 

from a radiating structure. The methodology can be sunomarized as a four-step 

procedure: 1) perform a linear, transient pulse analysis and record the input currents 

and input voltages at the driving points of the interconnects; 2) through the FFT 

of the recorded current/voltage histories and calculation of the frequency dependent 

return loss at the drivers, identify frequencies at which significant radiation occvu-s; 3) 

perform single-frequency FDTD simulations at frequencies of significant radiation to 

calculate levels of radiated emissions as a function of intercormect layout; 4) modify 

package/layout as needed. 

We will use this methodology to address important concerns regarding the ground

ing of heat sinks, which are found in PCBs. These heat-sinks are thermally necessary 

components; however, from an EMI point of view they are potential sources of ra

diation. We also study the grounding of "floating" conducting planes. Finally, we 

examine the electromagnetic behavior of split ground planes. These structures can 

be a serious source of undesirable radiation. 
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Before we discuss the numerical investigations of the previously mentioned radi-

ationg mechanisms found in packaged electronic systems and printed circuit boards, 

we first address the issue of efficient numerical modeling of the thin microstrip lines 

found in PCBs. In the FDTD method, modeling of these lines can dictate the cell size 

used. Since these lines are relatively small as compared to typical PCB dimensions, 

the number of cells required for the simulation may become prohibitively large for 

structures of significant size. 

4.1 Thin Wire Modeling of Microstrip Lines 

In this section we investigate the idea of using the FDTD subcell thin-wire method 

to model microstrip lines. The thin wire model was originally developed by Taflove 

[37], and is designed to incorporate correctly the singular behavior of the fields very 

close to the wire. 

This thin wire model has been successfully used in modeling the scattering from 

a wire as a result of a incident TM-polarized plane wave [37]. Validation studies 

from [37] have shown excellent agreement for wire radii as small as 1/30000 of a 

wavelength for FDTD cell resolution of Ao/10. In [38] a comparative study was 

conducted between the thin wire model in FDTD and the Method of Moments for 

computing the current distributions induced on finite length wires by incident TM-

polarized plane waves. The thin wire model was found to provide accurate results 

with very good computation efficiency. The thin wire model has also been used to 



126 

compute the radiation from dipoles [39]. The radiation patterns were compared to 

patterns obtained when assuming that sinusoidal cxirrents on the dipoles were present. 

The results of that study showed good agreement between the FDTD method and 

the ideal current method. Athough these studies provide considerable validation of 

the model for scattered and radiation structures, no published study has considered 

the model in the context of guided wave structures of the types found in PCBs. 

In the next section we will describe the subceU method and present the special 

FDTD update equations needed for its implementation. We then model a simple 

microstrip line that undergoes changes in widths, in an effort to examine whether the 

implemented thin-wire model permits the accurate modeling of impedance change 

along the microstrip. 

4.1.1 Thin Wire Model 

The thin-wire model for FDTD is developed on the basis of the field behavior very 

near a wire. From electrostatics we know that the field varies as 1/r near a wire of 

infinite extent. Since proper modeling of wave phenomena in FDTD requires cells on 

the order of less than a tenth of a wavelength, we expect that the static field near a 

wire is indeed a viable approximation for cells in the immediate vicinity of the wire. 

With this assimiption and the use of Maxwell's curl equations in their integral form, 

we can develop special FDTD update equations for those cells adjacent to the thin 

wire. 



127 

Consider the fields near the wire as shown in Figure 4.1. From the assumed static 

field behavior we can write 

= (4.1) 
r  

Ex{rJ,k) = — (4.2) 
r 

where Ch and Ce are constants to be determined. 

We apply the boundary condition at a haJf cell distance from the wire to write 

the following equation: 

A 3* 
= (4.3) 

/\ 7* 
E,{r , j ,k)  =  E. i i , j ,k)— (4.4) 

These equations are now in the proper form for applying Faraday's Law along the 

closed path C as shown in Figure 4.1. The integration along the wire is of course zero 

due to the assumption that the wire is a perfect electric conductor. The remaining 

integrals are 

d Az Az fx+Ax 
- f iAx—J^ Hy{i , j ,k)—dz = J Ez{iJ ,k)—dz +  J^ Ez{iJ ,k+l)dx +  

^°£;^(z+l,i,A;)^ (4.5) 

Evaluation of this integral leads to the folowing update equation for the magnetic 

field (the electric fields are updated in the usual FDTD way). 
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Ex(i,j,k) 

Ez(i,j,k+1) 
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Hy(i,j.k) 

Ex(i+1,j,k) 

Ez(ij,k) 

Figure 4.1: Thin wire geometry. 
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(!, J, k )  =  K ' { i j ,  k )  +  k )  -  k ) )  -

f iAzhx^  

In a similax fashion we obtain 

.1, 1. Af 
Hy ' (i,;, A:-l) = Hy ^ { i j ,  A:-l) + ^-1)) + 

-J^B,(,i,lk-l) (4.7) 
f iAz ln^  ro  

H7*Hhh k) = if." Hi J,  k) + k) -  E,(i+lJ,  k))  + 

2At 
:E.{ iJ+l ,k)  (4.8) 

f iAy ln^  

, 1 .  1 .  A f  
Hz '  k)  =  Hz ^ A:)  +  j - l ,  k)  +  Ey{ i , j - l ,  k))  -

J^E4iJ-l,k) (4.9) 

Similar update equations axe derived for wires parallel to the y-axis: 

1 „ 1 Ai 
i i : ; *H i j , k )  = H2-H i j , k )  +  -^ (E . ( i , j , k ) -E , ( i , j + i , k ) )  +  

2At  
Al^yiiJM^) (4.10) 

/zA^ln ̂  
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1 At  

f i / ^y  
2At  

•^Ey{i , j ,k- l )  (4.11) 
/zAzin 

,1. fi—i Af 

— ( 4 . 1 2 )  
^Axln^ 

(4.13) 

Finally, for wires along the z-ajds, we have: 

HT*hh j , k )  =  HrH i ,hk )  +  - ^^E , { i JM l ) -E , ( i , j , k ) ) -

2At  
E^iiJ+l^k) (4.14) 

^Ayln^ 

'(i, j-l, k)  =  nrhi j - l ,  k)  +  ̂ (£,(i,;-l. W) - E,(t, j - l ,  k))  +  

2At  
E,{ i , j -hk)  (4.15) 

f i  Ay  In  ̂  

«xi «—i. Af 
Hy ' ( i , i , f c )  =  Hy  ^ i , j , k )  + -^ {Ex { i J , k ) -Ex { i J , k^ l ) )  +  
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(4.16) 

f iAxha .  
(4.17) 

4.1.2 Thin-wire Model of Microstrip Lines 

The geometry used as a vehicle for the investigation of the validity of the thin 

wire subcell model for microstrip lines is shown in Figure 4.2. In this figure we show 

a microstrip line (top view) that is 0.4 mm above an infinite ground plan and has a 

width change along its length; the first section of the line is 0.4 mm wide and 1 cm 

long, the next section is 0.1 mm wide and 1 cm long, and finally the third section is 

also 1 cm long and returns to a width of 0.4 mm. The substrate dielectric constant 

is Cr = 9. The line is excited by a gap voltage attached to a probe connected to 

the line at the edge. The probe is modeled by zeroing the appropriate electric fields. 

Also in this figure we show two "equivalent" thin wire models. In Figure 4.2 b we 

model the middle section and the third section of the strip as thin wires. In Figure 

4.2c we model all three strips as thin wires. The radius of the thin wire for each 

section is found from the work of Wheeler [44] who showed that the potential V on a 

conductive strip of width w is the same as that found on a wire of radius to/4. This 

equivalency has been successftdly used to model thin strips by multipipe models [43]. 
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The cell sizes were taJcen to be Ax = 0.1 mm, Ay = 0.05 mm and Az = 0.1 mm 

for the reference case. For the two thin-wire models of Fig. 4.2b and Fig.4.2c we chose 

Ax = 0.4 mm, Ay = 0.2 mm and Az =  0.4 mm, and Ax =  0.4 mm. Ay =  0.4 mm 

and Az = 0.4 mm, respectively. 

In Figure 4.3 we compare the calculated input voltages for three models. In the 

reference case we observe the input pulse and the reflections from the first stripwidth 

discontinuity, second stripwidth discontinuity and the open end of the line. In the 

first and second model thin-wire models the presence of these discontinuities in the 

line are not reflected in the calculated waveform. For the model of Figure 4.3b we 

see that a discontinuity occurs at the transition from the microstrip to the thin wire. 

The next discontinuity, as noted from monitoring the time of the arriving pulses, 

is due to the open end transition from the thin wire to free space. In the second 

thin wire model (Fig. 4.3) where all sections of the microstrip were replaced by 

equivalent thin wires we see that only the open end discontnuity is seen at the input. 

To explain this we only have to examine the thin wire model update equations. We 

see that the magnetic field is modified by the electric field immediately adjacent and 

parallel to the wire. If this electric field is small or zero we see that the different 

wire thicknesses are essentially of small consequence to the electric fields updated at 

this juncture. In microstrip lines the fundamental mode has a quasi-TEM behaviour 

and thus has very small values of the logitudinal fields, especially when there are no 

dielectric inhomogeneities present. Thus, we have demostrated that the thin wire 
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model caainot be used to model guided waves found in microstrip structures. It is 

cleax that the discontinuities commonly found in microstrips axe not being properly 

modeled. These discontinuities lead to radiation dependent on the magnitude axid 

resonajices associated with surrounding structures in the circuit. Consequently, the 

thin-wire model is not suitable for the FDTD prediction of radiation from PCBs. 

Finally, we implemented a different scheme for the update equations which in

corporated explicitly the variation of the normal component of the electric field in 

the vicinity of the wire. It was found that this new set of update equations led to 

noticeable reflections due to the stripwidth changes; however, their amplitudes were 

incorrect. Nevertheless, this result confirmed our conjecture that the limitation of the 

thin-wire model was associated with the fact that the logitudinal electric fields are 

very weak for microstrip structures. It is possible that a more sophisticated model 

that accounts for the correct variation of the field in the vicinity of strip would lead 

to better results. This has been suggested in [41] for case of a single strip. Unfortu

nately, PCB layouts involve several strips in close proximity, maJdng the use of the 

methodology in [41] impractical. 

4.2 Numerical Investigation of Radiated Emissions Mechanisms in Single-

Chip Packages 

In this final section we undertake the numerical investigation of radiated emis

sions mechanisms found in printed circuit boards and packages. In particular, the 
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1 cm 1 cm 1 cm 

0.4 mm 
1 0.1 mm 

0.4 mm 0.4 mm 0.4 mm 0.4 mm 

t 
0.4 mm 

(a) 

Figure 4.2: Thin wire modeling of microstrip line: a) Top view of the three sec
tion microstrip; b) Sections (2) ajid (3) modeled as thin wires; c) All three sections 
modeled as thin wires. 
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Figure 4.3: Voltage pulses on thin wire model of microstrip line: a) Reference case: 
all strip dimensions are resolved by the grid; b) Thin-wire model of Fig. 4.2b; c) 
Thin-wire model of Fig. 4.2c. 
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methodology outlined in the beginning of the chapter, is used to examine specific 

cases of EMI sources in single chip packages and printed circuit boards. 

4.2.1 Heatsink 

Our first study deals with radiation from a simple single-chip structure with a 

heatsink. We will indirectly measure the radiation through the measurement of the 

return loss at the source driving point. We wiU assume for the purposes of this study 

that the heatsink is necessary for the proper operation of the circuit and thus will not 

concern ourselves with modeling the circuit without the heatsink. The structure is 

shown in Figiire 4.4. The heatsink, which is represented as a solid rectajigular block 

of perfectly conducting material, is electrically insulated from the signal ground plane 

(SGP) of the package by a thin dielectric layer. A microstrip line is connected from 

near the center of the SGP, as shown, to a pin that is capacitively connected to the 

board ground plane (BGP). We will primarily concern ourselves with the effects on 

radiation due to two different ways of grounding the heatsink and two different ways 

of providing a return path for the microstrip line. The heatsink will be grounded to 

the SGP or the BGP. We wiU also investigate the case of not groimding the heatsink. 

The two types of return paths from the BGP to the SGP and to the circuit will be: 

a) a "bad return", which will provide a long return path; b) a "good return", which 

will be located close to the capacitively terminated pin. These paths are shown in 

Figure 4.4. 
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Figure 4.4: Heatsink geometry. 
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In Figure 4.5 we show the return loss (50 ohm reference) for the case where the 

heatsink is ungrounded for both the good ajid bad return paths. In this figure we 

see several radiation bands, which are similar for both cases of returns. For the bad 

return case we see a resonant point of - 5.2 dB at 12.8 GHz and another significant 

resonance at 34.3 GHz of -25.0 dB. The good return case has two minor resonant 

points at 12.81 and 15.9 GHz of about -3.6 dB and -3.8 dB, respectively, and another 

major resonance of -11.4 dB occuring at 35.34 GHz. We note that placing a pin to 

provide the good return path adds a resonant point at 15.9 GHz, but shifts upward 

the high frequency resonant point by 1.1 GHz, and reduces this radiation band peak 

by 13.6 dB. 

In Figure 4.6 we show the return loss for the case where the heatsink is grounded 

to the SGP. The grounding is accomplished by simply removing the dielectric insu

lating layer originally between the heatsink and the SGP and directly connecting the 

heatsink to the SGP. This grounding scheme is shown in the inset figure. In this 

figure we see several radiation bands, which are similar to the imgroimded heatsink 

case discussed previously. For the bad return path case we see a resonant point of 

- 5.4 dB at 12.81 GHz and another significant resonance at 34.3 GHz of -18.7 dB. 

The good return case has two minor resonant points at 12.81 and 15.9 GHz of about 

-3.8 dB and -3.4 dB, respectively, and another major resonance of -13.5 dB occuring 

at 35.0 GHz. We note that placing a pin to provide the good return path adds a 

resonant point at 15.9 GHz, but shifts upward the high frequency resonant point by 
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Figure 4.5: Return loss for the case on ungrounded heatsink. 
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0.7 GHz, ajid reduces the radiation band peaJc at this frequency by 5,2 dB. We note 

that the addition of the resonant point at 15.9 GHz is the same tis for the previous 

case where the heatsink was imgrounded. 

In Figure 4.7 we show the return loss for the case where the heatsink is grounded 

to the BGP through 4 pins connected from the BGP to the 4 comers of the heatsink. 

This grounding scheme is shown in the inset figure. In this figure we see immediately 

that a new resonant point at 6.6 GHz has appeared. It does not appear to be a 

significant radiation band since it is only -1.6 dB, but it does identify a direct effect 

due to placing the 4 pins used to ground the heatsink. For the bad return path case 

we see a resonant point of - 2.3 dB at 14.37 GHz and a more significant resonance at 

34.2 GHz of -21.3 dB. The good return case also shows a small resonant point at 6.6 

GHz of about -1 dB. Two more significant resonances occur at 15.5 GHz and 35.34 

GHz, having return losses of -4.3 dB and -15.0 dB, respectively. For this case we 

see general agreement with the previous groimding schemes; an upward shift of the 

upper resonant frequency and a reduction of the retiim loss at this frequency. 

Finally in Figure 4.8 we summarize our results by showing all the return losses 

for the previously discussed grounding cases. No groimding scheme for the heatsink 

appeared to significantly or positively impact the radiation bands near 12 GHz, and 

in the case of the four pins used to groimd the heatsink a new, albeit small, resonance 

was introduced at a lower frequency not previously produced by having the heatsink 

ungrounded or grounded to the signal ground plane. In general it appears that 
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Figure 4.6: Return loss for heatsink grounded to signal ground plane. 
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Figure 4.7: Heatsink grounded to the board ground plane through 4 corner pins. 
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providing a good retnrn path reduces the radiation at the frequency occuring near 35 

GHz. However this frequency resonance is very certainly due to a mode excitation 

of the lossy "cavity" defined by the heatsink dimensions. This is an important result 

in that whether the heatsink is grounded or not, a cavity is defined by the heatsink 

geometry and once excited, it will radiate. Of course, one could avoid the radiation 

altogether by continuous grovmding (effectively shielding the opening). However, 

maintaining small area loops will reduce coupling to the cavity modes and hence 

reduce radiation. At this stage of the investigation it would be difficult to suggest 

general grounding schemes for a heatsink. This investigation has demonstrated that 

any particular grounding scheme can be of little use or in some cases introduce 

unwanted radiation bands. The major conclusion to be drawn from this study is that 

the decision as to whether to ground a heatsink and how to ground it may depend 

on the exciting circuitry and geometry to such an extent as to absolutely require a 

full-wave analysis of the heatsink in the specific configiiration that it may be found 

in an electronic package. 

4.2.2 Signal Plane Grounding Pins 

To demonstrate the effect on radiated emissions of grounding pins used to connect 

a package ground plane to (absolute) board ground, we consider the structures shown 

in Figvure 4.9. A 7.2 mm microstrip line is excited with a 0.5-volt gaussian pulse source 

in series with a 50 circuit resistance. The line is connected to a via that penetrates 
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Figure 4.8: Return loss for the heatsink grounding schemes. 
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Figure 4.9: Floating groimd-plane with various grounding pin configurations. 
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the package groimd plane and is capacitively connected to the absolute ground plane. 

The capacitor is simply modeled by an open, effected by shortening the length of the 

pin to just 1 FDTD cell above the absolute ground plane. The distance between 

the package ground plane and board plane is 3 mm. The dimension of the package 

ground plane is 1 cm x 1 cm. The dielectric constant of the board is Cr = 7.8 and 

its thickness is 0.3 mm. The discretization was rectangular with cell dimensions 

Ax = Ay = 0.400 mm, and Az = 0.100 mm. In part (a) of Figure 4.9 the package 

groimd is floating (no ground pins are used). In (b) two grotmding pins are introduced 

at the points indicated in the figure. These groimding pins axe not optimally placed 

to provide a short return path for the current flowing in the microstrip line. In (c) we 

place another pin at a location in close proximity to the capacitive termination. In 

(d) we remove the two pins at the comers of the signal ground plate, while keeping 

the pin close to the capacitive termination. 

Figure 4.10 depicts the return loss, a measure of available power from the generator 

delivered to the load, of the microstrip line for the structures of Figvire 4.9. As can 

be seen the line is performing as a "good" antenna near the frequency band 12-17 

GHz for the case of no grounding pins. (A good antenna is usually one defined as 

having a return loss of less than 10 dB for a particular bandwidth.) The addition of 

two grounding pins is seen to have little effect on the return loss of the floating plane. 

Although there is slight reduction of the radiation near 9 GHz, a new resonance has 

been introduced at approximately 5 GHz. For the remaining two ca^es (c) and 
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Figure 4.10: Return loss for floating ground-plane. 
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(d) it is clear that significant reduction of radiation has been achieved. The first 

resonance null is shifted to a higher frequency, from approximately 13 to 18 GHz, 

and the return loss is reduced by up to 20 dB across the 12-17 GHz bandwidth. 

A comparison of the |5ii| obtained for all cases makes it clear that it is the pin 

in close proximity to the capacitive termination that is mainly responsible for the 

improvement of the radiation/susceptibility characteristics of the circuit. This result 

supports the implementation of well-defined return paths for currents in order to 

reduce radiation from circuits. 

4.2.3 Split-Ground Plane Effects 

There arises in mixed-signal boards the need to split the signal ground plane: a 

digital groimd plane (DGP) and a separate analog groimd plane (AGP) in close prox

imity. This need to isolate the digital from the analog ground plane is motivated by 

the sensitive small analog signals requirements. However, it does become necessary 

in some cases to either bring signals from the DGP to the AGP, or for digital signal 

lines to crossover the analog ground plane. These situations lead to discontinuities in 

the current flow in the return ground path which may become sources of electromag

netic interference. In the first part of this investigation we consider the case where 

a digital microstrip line running over the DGP is terminated at some point on the 

AGP. From an EMI point of view the question to ask is what effect the split ground 

plane has on the radiation from a board containing such structures. 
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In Figtore 4.11 we show a split ground plane for two types of lines. In Figure 4.11a 

we have a microstrip line 0.5566 mm wide and 1 cm long aad 0.5566 mm above the 

signal ground plane. The dielectric constant for this investigation is = 1-0. The 

line carries a signal (in our simulations this signal will be a gaussian pulse) from the 

DGP and is terminated on the AGP through a capacitance. The slot defined by the 

split in the ground planes is 0.8334 mm wide and 4 cm in perimeter, the total length 

of the 4 sides of the AGP. To provide a return path for the current a dc connecting 

patch is located at one of the indicated locations; "a", "b", "c", and finally "d", 

which is a connection directly underneath the microstrip line. In Figure 4.11b we 

show a microstrip line operated in diiferential mode. This case will provide us with 

a reference comparison. 

In Figure 4.12 we consider the structure of Figure 4.11a with a dc connection at 

the position "a" and plot a three-dimensional distribution of the total electric field in 

the plane of the split and in the area enclosed by the boundary of the split. We note 

immediately that a slot-mode is excited by the ptdse propagating down the microstrip 

line. In Figiire 4.13 we plot the magnitude of the tangential fields in the plane of the 

split at four different times. In Figure 4.13a we see the pulse arriving at the slot. 

The pulse splits into two directions, propagating down the split in the ground plane 

as is shown in Figure 4.13b. In Figure 4.13c and 4.13d we see the pulse continuing to 

propagate and reflect from the dc short connection. It is these fields in the slot that 
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Figure 4.11: Split-ground plane, a) microstrip line mode b) differential line mode. 
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will lead to radiation bands at lower frequencies not expected from the structure of 

the line itself. 

To compaxe the return loss of the single microstrip line and the line operated in 

differential mode we select the case where the dc connection is at the location indi

cated by "a" in Figure 4.11a . The return loss for both cases is shown in Figure 4.14a. 

We see clearly that the Une operated in the difFerentiai mode has significantly less 

radiation for a much larger portion of the spectrum from 0 to 40 GHz. We see that 

the single line has many resonant frequency points: 3.35, 7.128, 12.16 and 15.93 GHz, 

whereas the difFerentiai mode line has its first significant radiation point at 19 GHz. 

In Figure 4.14b we change the dielectric substrate from 1 to 4 to comment on the 

effects on radiation due to dielectric constant. As expected we find that since the 

loop described by the slot in the ground plane is now electrically larger we will have 

resonances at lower frequencies. This is indeed the case in general, although we see a 

new resonance at 19 GHz which was not in the air substrate case. We note that the 

previously listed resonant frequencies have been shifted down by approximately 25 

%. This shift is related to an effective permittivity in the slot, which has dielectric 

above and free space below, since if the slot length was determined by the dieletric 

permittivity, a shift of 50 % would have occurred. 

Next we considered obtaining the return loss for each type of dc connection we 

indicated in Figure 4.11a. The return loss for these cases is shown in Figvire 4.14c. 

We find that some radiation reduction improvement is obtained by placing two shorts 
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Figure 4.12: Total electric field in split ground plane. 
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Figure 4.13: Tangential field in slot of split ground plane. 
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Figure 4.14: Return losses for split ground plane study.. 
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(position "b") on opposite sides of the slot. The resonant point which was occtirring 

at 3.35 GHz vanishes. When we place the connection at location "c", the farthest 

point in the slot from the line, the resonant point at 3.35 GHz retxims, but still the 

return loss is less than for the single connection at location "a". By and large the 

case of location "d" answers the question of where the best location is for providing 

a dc connection and reducing the possibility of exciting low-frequency radiation. In 

this case the connection is located directly beneath the microstrip line. We see that 

the return loss is nearly a 0 dB from 0 to 40 GHz with a small return loss near 

12 GHz of about -1 dB. The connection at "d" was exactly the same width as the 

line and prevents the excitation of a slot mode. This connection presents very little 

discontinuity in the return path in the ground. This result quantifies the well known 

EMI design practice of placing the return paths close to the signal lines. The split 

in the ground beneath the microstrip line as describe in the other cases introduces 

a discontinuity, or an imbalance, in the currents, and we know that such current 

imbalances lead to antenna currents and thus increased radiation levels. 

We continue our numerical investigation seeking a method of supressing the exci

tation of the slot modes without directly connecting the ground planes. The approach 

taken here is heuristic. We suppose that the mode excited in the slot can perhaps 

be "choked" by introducing a significant change in the waveguide impedance along 

the slot. The slot is thought of having a particular characteristic impedance, the 

exact value of which is not a concern. We then widen the gap on either side of the 
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microstrip to provide an increase in the characteristic impedance and thus provide a 

reflection of the slot line mode. Such reflections are expected to reduce the excitation 

of the remainder of the slot, and thus reduce radiation in the lower frequencies. This 

concept is illustrated in Figure 4.15, where we consider three modifications to the 

original split in the ground plane. 

In the first case the slot is widened to about 3 times the original slot width; from 

0.83334 mm to 3.61 mm. This widened slot is 2.5 mm in length. In the second case 

the widened slot is extended 0.5556 mm toward the microstrip line as shown. In the 

third and final case the widened slot is lengthened another 0.8334 mm toward the 

corner where the slot bends. The return loss for all three cases is shown in Figure 4.16. 

As a reference we compare these cases to the return loss for the case where we 

connected the ground planes by a dc connection located at position a (as shown in 

Figure 4.11). We see that the third case provides the best isolation for frequencies at 

least up to 12 GHz. The other two cases show a significant resonant point neax 12 

GHz, but in general all three cases provide significajit radiation suppression across 

the 40 GHz band plotted. The approach taken in these analyses has been from 

an EMI point of view. However, if we investigate the details of the pulse traveling 

down the microstripline, we come to a rather different conclusion about the method 

of modifying the ground plane in order to achieve a reduction in radiation at low-

band frequencies. The circuit consideration is illustrated by taking our best quiet 

ground plane case (case k) and observing the pulse reflected from the split in the 
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Figure 4.15: Modification to split ground planes. 
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ground plane. The input voltage is shown in Figure 4.17 a. We observe that the 

maximum value of the reflected pulse from the slot is almost 50 % of the input pulse. 

We can compare this reflection with the case where we have placed a dc connection 

underneath the microstrip line, which we found had a maximimi value of only 2 

% of the input voltage. Thus from this investigation, the EMI question cannot be 

addressed independently from the digital questions of reflections from discontinuities. 

However, since the pulse on the differential line undergoes a smaller reflection due 

to the split in the ground plane (14 %), the ground plane modifications discussed 

previously are investigated for the possibility of reducing radiation for cases where 

the differential lines are operated across split ground planes. As we have already seen 

the use of differential lines lead to reduced radiation in the vicinity of a slot in the 

split ground plane. We will demonstrate the use of the modified ground plane for 

the differential line shown in Figure 4.18a. In Figure 4.18b we show the indicated 

modifications to the ground plane. The slot adjacent to the differential lines are 

widened into the DGP in the ratio of 5:1 of the slot width. In Figure 4.19 we show 

the return loss for both the unmodified and modified ground planes. We see that 

indeed the radiation has been suppressed further by the introduction of the modified 

groimd plane for the low frequency band centered at 10 GHz. The original radiation 

was not indicated to be very strong due to the fact that the return loss was only 

-4.1 dB at 10 GHz; however, this structure demonstrates very well the possibility of 
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Figure 4.16: Return losses for a) i-choke , b) j-choke, and c) k-choke. 



0.5 

0.4 

0.3 

0.2 

0.1 

0.0 

500 1000 1500 
Time Step 

Figure 4.17: Voltage at measured at input to microstrip line. 
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controlling noise generation in PCBs with split ground planes by modification in the 

ground plane geometry. 
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Figure 4.18: Geometry of differential mode microstrip lines neax a split ground plane. 
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Figure 4.19: Return losses for differential mode lines above a split ground plane. 



CHAPTER 5 

SUMMARY AND CONCLUSIONS 

In this dissertation, we have considered two methodologies for the modelling of 

radiated emissions from printed circuit boards (PCBs) and packaged electronic sys

tems. The complexity ajid high density of interconnect networks in packaged systems 

has motivated the desire to provide a computationally efficient and rapid method for 

the evaluation of radiated emissions from a large number of interconnects. Hence, the 

first methodology considered was based on transmission line theory. The essential as-

smnption in this approach is that the currents predicted on a circuit by transmission 

line theory is approximately the same as that which might be found by computer 

intensive full-wave methods. In Chapter 2 we described a circuit tool based on scat

tering parameters [8] which provided the total currents at the end points of PCB 

circuit elements. From the theory of multiconductor transmission lines we were able 

to obtain the modai currents on the coupled interconnect lines. The currents on mul

ticonductor lines were then modeled as a series of dipoles radiating in the presence 

of a conductor-backed substrate. From the principle of superposition, the radiation 

from ail unshielded MTLs of a printed circuit board can be computed. We validated 

this two-step methodology by comparisons to full-wave results provided by NEC 
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(Numerical Electromagnetics Code) [16]. We modeled several simple circuits and 

found that the methodology provided good engineering accuracy at computational 

speeds on the order of two magnitudes faster than the full-wave tool. We also inves

tigated the issue of common-mode ciurents (antenna currents), which are undesired 

ajid not predicted by transmission line theory, but will inevitably always be present 

in complex PCB circuits. These antenna currents result from asymmetries in the 

interconnect excitation and also from electromagnetic interaction between a circuit 

and nearby structures. For our studies we modeled the radiation from two asym

metric simple loop circuits above a ground plane and found that the radiation due 

to the antenna currents was dominated by the radiation from the differential mode 

currents of the circuit. The two-step methodology thus provided good prediction of 

the total radiated electric fields for circuits which radiate in the presence of a groimd 

plane. This is an important aspect of the method, since unshielded interconnects on 

PCBs are amenable to this approach. We were also able to address the important 

structure of a PCB with an extending wire. The current on the wire was modeled by 

first considering the wire as having a path to ground through a displacment current. 

Thus, the wire was modeled as an equivalent capacitor for evaluation of the currents 

on the circuit. We foimd that the method provided reasonable agreement with the 

full-wave tool NEC. A complete and comprehensive evaluation of the limits of the 

two-step methodology would be a useful contribution to the area of electromagnetic 
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interference, since we believe that such a tool as described in Chapter 2 is the only 

viable approach to modeling large numbers of interconnects. 

However useful the two-step methodology, it is quite clear that many geometrically 

complex structures, with possibly inhomogeneous materials, will not lend themselves 

to this approximate approach. Therefore, the second methodology we considered 

was based on the Finite Difference Time Domain method (FDTD). This method is 

a robust efficient integration algorithm which gives broadband component/system 

response in a single rim. We believe that this method is the most suitable full-wave 

approach, offering the versatility of modeling complex geometries and complex ma

terials (anisotropic, inhomogeneous, dispersive) commonly found in electronic pack

ages. For open domain problems, such as radiation from PCB structures, the FDTD 

method requires a means of terminating the grid without introducing significant 

artificial numerical reflections. In Chapter 3, we implemented and investigated a 

three-dimensional FDTD algorithm with the Perfectly Matched Layer [13] absorbing 

boundary condition (ABC). The PML is a relatively new ABC based on the theory 

of dispersionless propagation. We investigated a procediure for choosing the PML 

parajneters of length and conductivity. We found that the conductivities in the PML 

had to be assigned on a nodal basis and that for problems with layered media, we ar

gue and support that reported instabilities in the PML are a result of violating Snell's 

law. A feature of the FDTD method is that it can be computationally demanding 

of memory and time. Thus, the issue of minimizing the grid size by close placement 
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of the ABC to the structure under investigation is of considerable interest. Thus, we 

investigated the proximity effects of the PML on the electromagnetic properties of 

noicrostrip structures; lines and patches. We found that the PML could be brought 

as close as 1 grid-cell and introduce only small peturbations in the broad band mea

surement of the effective permittivity and characteristic impedance of a microstrip 

line. However, for the case of a 1 grid-cell buffer zone tiround the line, there was 

significant perturbations for the extremely low frequencies. The perturbations were 

reduced by increasing the buffer zone size. For a radiating patch we also found that 

the PML could be brought extremely close to the patch and not significantly impact 

the computation of the patch antenna return loss. However, when we considered 

the coupling between two patch antennas, we found that an increase in the PML 

conductivities was necessary to maintain accuracy if the PML was placed within a 

few cells of the array face. 

To address the issue of far-field radiation from multilayer structures found in 

printed circuit board, we developed a near-to-far field transformation at a single fre

quency for structures in layered media. We tested and validated a novel approach for 

finding the necessary phasor currents on a Huygen surface surrounding a radiator. 

By the use of the theorem of reciprocity the far-fields are found from the equiva

lent currents on the Huygen surface. The model we chose for validation purpose 

was a conductor-backed substrate with a superstrate of relatively high permittivity. 
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Although this structure is used for increasing the gain of patch antennas, the con

cept suggests that a superstrate could be used in packaged structures for controlling 

crosstalk. This would be an important study in EMI. We also investigated the impact 

of the Huygen surface area on the computed directivity of a monopole and the prox

imity effects of the PML. We foimd that the PML effects were negligible and that the 

surface could be chosen 1 cell distant from the wire and still provide accurate results. 

This study suggested that generally we could take the Huygen surface as close to the 

radiator, or PML, as possible or desired. 

The studies in Chapter 3 showed that within certain contexts, the PML could 

be placed very close to certain PCB radiating structures; however, from the study 

of the coupled patches we found that our normal selection procedure for the PML 

parameters was not adequate for achieving accuracy in measuring the coupling co

efficient when the coupling distance between the patches approached and surpassed 

half a wavelength. Accuracy was achieved by increasing the buffer zone size or by 

increasing the conductivity of the PML. For the studies in Chapter 4, the number 

of buffer cells was chosen to meet or exceed a minimum distance of about 0.4 mm 

between the edge of a radiating structure and the PML. From our study of the mi-

crostrip line in Chapter 3, the PML was shown to introduce little pertubation at this 

distance, especially at firequencies above 1 GHz. Thus we circumvent the issue of 

new selection procedures for the PML. For future work, further studies on the PML 

proximity issue seem warranted. 
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In Chapter 4 we investigated the possibilitly of modelling thin microstrip lines 

with a thin wire model developed in [37]. The method is quite valid for scattering 

and radiation problems, but we found that the model was inadequate for modeling 

guided waves. The subcell method proposed in [37] for modifying the node update 

equations in the FDTD method relies on the electric field component paxallel to the 

wire. This field component is negligible for the case of guided waves in microstrip 

structures, and thus the method incorrectly models the characteristic impedance of 

lines of different widths. The limitation of the thin-wire model was demonstrated by 

monitoring the input voltage of a microstrip line having three segments of varying 

widths. The expected reflections for a pulse propagating from one line to the next 

was virtually nonexistant. This is an area in FDTD modelling that would benefit 

from further investigation and development since the thin microstrip lines commonly 

found in PCB structures dictate the cell size of the FDTD method and thus lead to 

high demands on memory and computation time. 

In Chapter 4 we also presented a procedure for indirectly investigating the radi

ation from structures found in PCBs. From a single run we monitor the return loss 

at the feed points of a circuit, in order to identify "problem" frequencies. Then, far 

field patterns can be generated at these frequencies. In our first study, we investi

gated common practices for grounding heatsinks found in PCBs. The heatsink was 

modeled by a thick conducting slab and separated from a simple microstrip circuit 

by a thin layer of dielectric material. We grounded the heatsink to the circuit signal 



170 

ground plane and also to a reference board ground plane. We found that no general 

rules could be established in the grounding of heatsinks to minimize radiation. For 

grounding schemes for a floating ground plane we foimd that it was important to 

provide well-defined return paths for circuits on the floating grovmd plane to mini

mize radiation. Groimding pins which provided return paths that resulted in large 

loops could actually introduce lower radiation bands than those of the original float

ing groimd plane. Finally, we investigated a split groimd plane of the type found in 

mixed-signal packages. We found that the slot described by the split in the ground 

plane was excited by microstrip lines and that significant radiation bands were in

troduced. The split groimd plane is also a serious detriment on signal integrity since 

a 40 % reflection of a voltage pulse can result from the split. We foimd that radia

tion from the slot could almost be entirely eliminated if a connection, immediately 

beneath a microstrip line and at least as wide as the line, was made across the slot 

of the split groimd. Normally, in the vicinity of split ground planes, microstrip lines 

axe operated in a differential mode in order to minimize radiation from the slot. We 

found (by experimentation) and proposed modifications to the slot used for splitting 

the ground plane that could lead to a further reduction of radiation. 



Appendix A 

Far-Field Radiation for Dipoles in Stratified Media 

In this appendix we derive expressions for the calculation of fax-field radiation 

from dipoles located in a stratified media. Our derivation is based on the use of the 

reciprocity theorem. The reciprocity theorem [34] allows us to relate the response at 

one source due to a second source to the response at the second source due to the first. 

For dipole sources separated by large electrical distances, and thus in the far-field 

region of the other, the response at one dipole due to another dipole is approximated 

locally by an incident plane wave. Thus we find first the fields inside a layered media 

due to an incident plane wave. After these fields are foimd for both a TM-polarized 

and TE-polarized incident plane wave, the integral form of the reciprocity theorem is 

used to find the far-fields of a horizontal electric dipole (HED), vertical electric dipole 

(VED), horizontal magnetic dipole (HMD), and a vertical magnetic dipole (VMD), 

imbedded in or above the layered region. 

A.l TM-Polarization 

In this section we follow [20] to find the fields anywhere inside a layered media due 

to an incident TM-polaxized plane wave. Consider the geometry shown in Figure A.l. 
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For a TM-polaxized plane wave, the magnetic field component is parallel to the plane 

of incidence (the xy-plane), and can be expressed mathematically in the following 

form: 

H = (A.l) 
lo 

where 

To = j^y/lio^o (A.2) 

a„ = — (a3;sin0cos^ + aysin0sin(^ + azcos5) (A.3) 

f = CjjX + Oyj/ + a^z ( A.4) 

1. = ^ (A.5) 

By inspection we caji write the x and y components of the magnetic field as follows 

^ E . ^ 
H = —(— sin (f)ax + cos <l>ay)e'''>^ e''"' (A.6) 

Vo 

where 

7ro = To sin 0 cos <f> (A.7) 

Tvo = To sin 6 sin <j) (A.8) 

Tzo=ToCos0 (A.9) 

In each layer, m, of the media the magnetic fields satisfy the Helmholtz wave equation 
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Figure A.l: Geometry of a plane wave incident on a stratified media. 
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(V2-7^)# = 0 (A.IO) 

where the intrinsic propagation constant is written as 

7m = +iemW) (A.LL) 

By applying the separation of variables method to the Helmholtz equation and 

phase matching we can write the propagation constant in the z-direction as 

Izm. = y/ll -7oSin^^ (A.12) 

Thus for each layer the magnetic fields can be written as 

= -Ho sin (A.13) 

Hyrr, = Ho cos {AAA) 

From Maxwell's equations we can write the electric fields in each layer 

= -KmHo cos ^ivov (A.15) 

(A.16) 
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Ho sinOial^e""^' + (A.17) 
Cm + 

where Km, the layer intrinsic impedance is 

Km = (A.18) 

We can find the coefficients, a™ and b^, by applying boundary conditions at 

the layer interfaces and employing transmission line concepts. From transmission line 

theory we know that the input impedance, Zm, is given by the ratio of the tangential 

electric field to the tangential magnetic field evaluated at the interface between the 

(m-l)th and mth layer (see Fig. A.l) 

Z -
^ym 

(A.19) 
2--—£»n 

It is easily shown that 

#7 _ I/- ^m+l + tanh 7zni^ni 
— J^m i/- t rw J. u o (A.2Uj 

-^m "!• ^m+1 tsull T^zt7I£)7I 

Also, from electromagnetic boundaxy conditions we know that the tangential elec

tric field is continuous across the interface between two layers; thus we can write 

= Km{al^ (A.21) 
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By substituting (A.15) and (A.14) into the right hand side of (A.19), we can re

late a™ to through the input impedance, Zm- We can then substitute this 

relationship into (A.21) to obtain the following recursive relationship 

^TM ̂  _ jTM g7zm-lim) (^ 22) 
Z^rn -^m 

(A.23) 

where Oq is taken to be 1. We can thus describe the resultant field anywhere in the 

entire layered region due to a TM-polarized incident plane wave. 

A.2 TE Polarization 

In this section we again follow [20] to find the fields anywhere inside a layered 

media due to an incident TE-polarized plane wave. Consider the geometry shown in 

Figure A.l. For a TE-polarized plane wave, the electric field component is parallel 

to the the plane of incidence (the xy-plane), and can be expressed mathematically in 

the following form: 

= -Eo sin (A.24) 

=  E o c o s - I -  ( A . 2 5 )  

Hxrn — (A.26) 
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•ffym = NmEo COS (A.27) 

H,m = Ho sin+ b'L^e-^^'"')e'"''e'yy (A.28) 
0"m + J 

where Nm, the layer intrinsic admittance is written as 

Nm = ^ (A.29) 
tUJ f io  

We follow the same procedure here as we did for the TM-polarization case to 

derive the following recursive relationships for the and 6^^ coefficients 

f . yzmLmf  „TE p—yzm—iLm i  kTE f , i iTnLm\  
2N^ 

(A.30) 

e = ( A . 3 1 )  
"r 

where 

V — M tanh 'Yzm^m ,. 
" "iVn. + WtanhTzmC 

We are now ready to apply the reciprocity theorem to obtain the far-fields of 

the electric and magnetic dipoles which are radiating in the presence of the layered 

structure. We will consider the particular case of an HED and then only present the 

results for the VED, HMD, and VMD. 
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The most useful form of the reciprocity theorem is 

J j J-  H" • M'>)dT =  J j j{E^ • J ' ' -  • M'^)dr (A.33) 

where the integration extends over all space. The superscript a refers to the dipole 

sources imbedded in the layered substrate and the superscript b refers to dipole 

sources located in the farfield of the a sources. For example, consider an x-directed 

dipole imbedded in a layered media as shown in Figure A.2: E°' is the far-field of the 

dipole in the layered media, J", is the moment of the dipole in the layered media, J° is 

the moment of the dipole located, in the farfield of source a, at some distance Tq, and 

is the far-field due to this dipole, which we assume arrives at the layered media 

as a plane wave. Thus we are able to use our previously derived results to describe 

the fields & in the layered media. The dipole is assumed to have a strength of 1 

and for this particular case is directed in the 6 direction. Thus, from the reciprocity 

theorem we write the following integral 

/  ^"(r) •  9S{r-  fo)dV = f E\r)  • aJi8{r-  K)dV (A.34) 
Jv J V 

This is an easy integration and, thus, for a horizontal electric dipole directed along 

the x-direction 

Ee{ro)  =  cos <l> (a .35)  
47rro T]o  
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Figure A.2: Geometry of dipoles in layered medium for application of reciprocity. 
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In a similaj manner we may select a dipole in the <f) direction and find 

sin<f> (A.36) 
47r7* Q 

In a similax fashion, the following far-field radiation equations can be derived: 

For an HED directed along the y-direction we have: 

Eeifo)  =  _  5rAfg-Tr,mzjg7xoXg7yoy (a .37)  
^TTVq TJQ 

—lib* 
E^{ro) = -Jycos(t> (a.38) 

47rT* Q 

For a VED directed in the z-direction: 

Eeifo) = J^ juJ€oSme ^ 39) 
47rr^ Cj f i  + l u j t fn  

E^{fo) = 0 (A.40) 

For a HMD directed along the x-direction: 

g ^ fi  o  ^ 
Eg{ro) = A4sin<!> (A.41) 

47rT* Q 

- •  ' v  e — ^  
jS,^(ro) = — MxNmilocos(f> {alf'e'""' — (A.42) 

47rT* Q 
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For a HMD directed along the y-direction: 

Ee{ro) = —J My cos <l> e'^"^ (A.43) 
^TTV Q 

E4, { fo )  =  —MyNmVos in^  (A.44) 

For a VMD directed in the z-direction: 

Eg{ro) = 0 (A.45) 

E^{ ro)  = 

.yy fi To'*© ^ 

^  M,sm9 
47r7* o 

(A.46) 



Appendix B 

Far-Field Radiation For a Huygen Surface Defined on the 

FDTD Lattice 

To find the fax-field radiation from the near fields generated by the FDTD simula

tion we must employ the equivalence principle. The scheme requires that we enclose 

all radiating sources by a Huygen surface. This surface will follow the lattice of the 

FDTD grid, thus it will be rectangidar in shape. On this Huygen surface we find the 

equivalent surface current sources at each node location of our surface. The value of 

the magnetic surface current at each node is the average of two currents on either side 

of the node. For example, at a node located at ij, and k, we use the average electric 

field (Ex(i j,k) + Ex(i-1 j,k))/2 to evaluate the magnetic current associated with this 

node (see Fig. B.l). For electric surface currents, at each node we use the average of 

four magnetic fields. For example, at a node located at (id,k), we use Hz(i j,k)^-Hz(ij-

l,k)-^-Hz(i-l j,k)-l-Hz(i-l j-l,k))/4) to evaluate the electric current density associated 

with this node (see Fig. B.l). Once the currents axe obtained we use the results 

of Appendix A to calculate the far-field radiation from each of the equivalent dipole 

currents. Clearly, simple superposition is then used to compute the far-field from all 

dipole currents defined on the Huygen surface. For example, consider obtaining the 



183 

node (i,j,k) where J and M are 
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Figure B.l: Assignment of electric currents, J, and magnetic currents M at node 
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fax-fields from the x-directed electric current sources defined on a rectangxilar Huygen 

surface  para l le l  to  the  xz-p lane .  The  fo l lowing in tegra ls  must  be  evalua ted  to  f ind  Eg 

and E4, 

Eg{ fo)  =  f  f  -  bl^e-^" - ' )e ' 'o ' 'e 'y°^dx 'dz '  
^TTVQ J JS T^Q 

(B.l) 

E^{ro) = f f e^yvdx'dz' (B.2) 
^TTVq J JS T^Q 

The total far-field electric fields, which are found by considering every face of the 

Huygen surface, are foimd from the equations 

Eg=— {L^ix + -f- L^tz -f r]o{N$x + Ngy + Nez)) (B.3) 
47rr 

E^=—^  {Lsx  + Ley -1- Lf fz  — Vo{^<t>x  + 4- iV^z)) (B-4) 
47rr 

where the subscripts x, y, and z, refer to the surface current component as defined 

on the Huygen surface, and 

(B.5) 
•' J S T^o 

Ngy = f f - bl,^e-'<"^')e'''o^e'yoydS' 
J Js  Tjo 

(B.6) 
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Ng^= f f _ (B.7) 
J Js crjn + lUtm 

I Is -j' sin <f> + hl,̂  e<'''HS' (B.8) 

N^ = J jjysin<f> dS' (B.9) 

Zfe = J jj^M^N^rto cos <!> ialfe'""' - (B.IO) 

Ley= j js MyNmVo sin<f> (B.ll)  

Le, = J j -M,sin9 + bl^e- ' '"- ')e"o^e'yoydS' (B.12) 

=  J  -i(4sin4 >  + b l ^ t < y o y d S '  (B.13) 

L^y = J My COS <i> (B.14) 

To handle the surface integrals evaluation we implement the numerical integration 

scheme used in [45] 
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1 = 1  f f { x , y ) d x d y  (B.15) 
Jyo Jxo 

Integrating with respect to x  and y  using the trapezoidal rule yields 

I = S  S x  
y (y [/(^O, Vo) + 2/(Zi, J/o) + • • • + /(xm, Vo)] 

+2y [/(aro, y\) + 2/(ari, yi) + • • • + /(xm, yi)] 

S x  
+ • • • + 2y[/(io,ym) + 2/(ii,yi) + • • • + /(x„„y^)]) (B.16) 

For prograjn implementation, this equation can be put into matrix form for effi

cient evaluation: 

1 

{1 2 •. .2 1} X 

f {xo ,yo)  f {xo ,y i )  • • ' f {xo ,yn)  

f i^uVo) /(xi,yi) •••/(xi,yn) 

f i ^miyo)  / (XmiJ / l )  '  '  '  f i ^mtyn)  

2 

1 
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