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ABSTRACT 

The dissertation addresses several problems in the power optimization and power-

delay tradeoffs in digital CMOS circtuts. The work is organized according to the 

three main sources of power dissipation: Power dissipation due to switching {Psc)-

standby or leakage power (Puak) aJid short circuit power (Pjc)-

First we present new, efficient and provably correct algorithms for minimizing the 

switching power in combinational and sequential CMOS logic circuits. The tech

niques are based on the addition and removed of redundancies at the logic level. The 

basic technique developed for combinational circuits is extended to sequential cir

cuits. Results of experiments carried on large (thousands of logic gates) commercial 

circuits (of the PowerPC chip) will be presented. 

Power dissipation due to the short circuit current has received much less attention. 

For submicron MOSFETs, this can be comparable to the switching power. A. new, 

and computationally tractable model for the short circuit current in CMOS inverters 

and more complex CMOS gates wa^ developed. This model was verified using a 

commercial 0.25 fim CMOS library and device models. 
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The problem of minimizing the standby power for deep submicron technology 

is also addressed. The steindby power dissipation heis often been ignored in the 

design of CMOS circuits since its contribution to the total power dissipation has been 

negligible. However as device dimensions and voltages are scaled down, the standby 

power can be of the same order of magnitude as the switching power. This is a 

serious problem of majiy portable devices as they are in standby mode for considerable 

periods of time. One approach to alleviate this problem is the use of dual threshold 

voltages. We developed several new algorithms that optimally assign one of two 

threshold voltages to CMOS gates so as to minimize the standby power without 

sacrificing performance. The new algorithms handle circuits of thousands of gates 

and it is shown that the staxidby power caji be reduced by as much as an order of 

magnitude without any loss of performance. 
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CHAPTER 1 

Introduction 

CMOS has long been considered the technology of choice for low power appli

cations [WE94]. The continuous shrinking of feature sizes has made it possible to 

achieve ever greater integration of complex functions on a single chip. This capabil

ity has also fueled an explosive growth in the market for high performance portable 

computing and communications systems. However, the higher chip densities have 

resulted in a one to two orders of magnitude increase in the power consumption of 

many high-end processors. The point is rapidly being reached where reduction of 

power consumption becomes the single most important hurdle that designers and 

manufacturers must face. 

Power consumption in CMOS circuits can be expressed as the sum of the (average) 

switching power [Ps-w), the short-circuit power (Psc) and the leakage power (Pieak)- Psm 

is due to the charging and discharging of load capacitances as logic gates transition 

between 0 and 1. P^c is due to the existence of a conducting path between the Vdd 

and ground during the brief period when a gate switches, and Puak is due to the 
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leakage current caused by the stored charge in the drain junctions leaking away and 

due to devices that conduct while in the off-state (subthreshold conduction). 

The problem of power optimization for CMOS circuits has become one of the 

most active research areas in the last five years. The problem is being addressed at 

all abstract levels of the design hierarchy. In the following, some advanced and well-

accepted power minimization techniques from the system level down to the physical 

level will be briefly reviewed. 

At the system level, the most common power minimization techniques axe power 

supply voltage reduction [DDS95], energy-recovery using adiabatic logic [Aea94b], 

memory optimization for low power [ISN95]. system level power management [TFS95]. 

etc. Since the power dissipation is directly related to the power supply voltage, the 

most straight forward and effective strategy is to reduce the power supply voltage. 

However to compensate for the speed degradation due to the lower supply voltage, 

some other techniques must be used, including the use of lower threshold voltage and 

transistor sizing [DDS9o]. It has been observed that the power dissipated in the clock 

distribution network and memory contribute more than 60% of the overall power dis

sipation of in many designs [Keu94]. In [TFS95], a technique weis proposed for saving 

power in the clock network by gating the clock and feeding it into idle modules at 

the system level. The clock to be gated is determined by the switching activity of the 

corresponding nodes in the clock tree. Another way to reduce the power dissipated in 
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the clock tree is to adopt asynchronous architectures where no clock is required. The 

project to implement a fully compatible low-power asynchronous ARM microproces

sor has showed some promising results [Fur95]. A good overview of the low power 

memory design techniques is given in [ISN95|. These techniques include, but axe 

not limited to. reducing voltage swing on large capacitance wires [.A.H94, VVLL96], 

memory segmentation and partition for memory power management [FTS95], and 

etc. The idea of recycling energy using adiabatic switching logic is aJso promising. 

The ba^ic idea here is to save part of the energy charged in large capacitances which 

can be retrieved for later use. A good review of this class of techniques can be found 

in [Aea94b]. 

Power redacting transformations that are applicable at the behavioral or archi-

tecturaJ level have also been investigated by several researchers. These include loop 

unrolling, control flow optimization, retiming [ACB92]. and use of multiple supply 

voltages [RS95], etc. One interesting approach is to introduce more concurrency by 

using paxaJlel and pipeline architecture to speed up the system and then to reduce the 

power supply voltage until it achieves the original speed [CPRB92]. Even though the 

additional hardware results in a linear increase in the capacitances, the overall power 

is reduced due to the quadratic dependence of the switching power on the supply 

voltage. The loss in performance due to the lower supply voltage is compensated by 

increasing the concurrency in the computations. 



Proposed methods for RTL synthesis for low power do not differ fundamentally 

from the classical RTL synthesis, but use a different cost function to steer the trans

formations. However, the key challenge here is to exploit the input signal statistics to 

minimize power during the resource sharing and binding while maintaining the same 

throughput. In [CP95]. the register allocation and binding problem for minimum 

power dissipation is formulated as a minimum cost clique covering of a compatibility 

graph and solved optimally using a max-cost flow algorithm. In [RJ94] an integer 

linear programming formulation for the same problem. 

.\t the physical level, since detailed placement and routing information are known, 

techniques at this level can be guided by the gate axid wire capacitance information. 

Examples of such techniques include circuit partitioning to reduce the signal switching 

activity between different partitions, transistor and wiring sizing for power delay 

trade-offs [BOI96], transistor reordering for switching capacitance reduction [PR94], 

etc. 

Between the RTL level and the physical level lies the logic level. In addition 

to applying classical logic synthesis to power minimization, other techniques include 

path balancing for reducing glitches, the use of precomputation logic to save power by 

turning off sub-circuits [Aea94a] and so on. The focus of this dissertation is on logic 

level synthesis for power reduction. We start with examing the problems involved 

in reducing and all three components of power are addressed. Reduction of 
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is achieved by reducing the average switching capacitances of the circuits. Our 

approach is based on reducing the switching activity of a high-switching gate by 

adding a redundant connection from a very low-switching gate to it. The redundant 

connections are found by simple logic impUcations. Consequently the procedures axe 

very fast and suitable for modem multi-million gates designs. Additionally, the new 

method provides a great degree of freedom to include a variety of optimization criteria 

and to examine trade-offs among them. The algorithms developed for reducing 

in combinational circmts are presented in Chapter 5. 

In Chapter 6 the algorithm of Chapter -5 is extended to sequential circuits. The 

main challenge here is to identify the sequential redundancies to be added for power 

reduction. Based on a new notion of design safe replacement, an eflScient sequential 

redundeincy addition algorithm is developed for switching activity reduction. In ad

dition to the simple implications used in Chapter 6, recursive learning [KP94] is used 

to derive as many redundancies as possible. E.xperimentaJ results in Chapter 5 and 

6 show that significant switching power reduction {Psw) can be achieved at the logic 

level for both combinationed and sequential circuits. 

Optimization of the short circuit power {Psc) has aiso received some attention 

lately [BO 196]. However most of these optimization techniques are based on tradi

tional Psc models or CMOS gates which suffered from significant inaccuracy for mod

em deep submicron technology. On the other hand, most of the existing accurate P^c 
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models are too complicated to be used in the optimization algorithms [VS94. BNK98]. 

To fill this gap. a new semi-empirical P^c model for CMOS inverters and more com

plex gates axe described in Chapter 7. It will be shown that by introducing some 

technology' paxameters. significant improvements in the accuracy of P^c estimation 

can be achieved, using the simple square-law MOSFET current model. 

Ordineirily. leakage power {Puak) only represents a very small part of the total 

power dissipation. But this may be important for applications such as portable 

computing and communication devices, which are idle for long periods. On the other 

hand, with the continuing trend of device miniaturization the supply voltage should 

be scaled down to prevent short channel effects, e.g. hot-carrier effects in CMOS 

circuits. Of course, as stated above, another driving force of the lower supply voltage 

it the Vcistly growing market for low power applications. However, to maintain the 

performance requirement while the supply voltage is reduced, the threshold voltage 

{V't) should also be scaled down because otherwise it has a much greater detrimental 

impact on the delay when small geometry devices are used. The flipside of this is that 

reducing Vt in small geometry MOSFETs results in an exponential increase in the 

stand-by current. In Chapter 8, three algorithms for Pieak minimization are presented 

by talcing the advantage of a new advancement in CMOS process technology, i.e. the 

dual Vt technology. The idea is to selectively choose some transistors to be high Vt 
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and the rest to be low VJ on the same chip such that the new circuit is as fast as the 

circuit implemented with all low V't transistors but consumes much less power. 

The field of leakage power optimization for dual V] technology is a fairly new-

research area. The work presented in Chapter S is a good start but it is not sure that 

if the proposed schemes will be effective in real circuit designs due to the lack of real 

process models and parameters for the dual Vt technology-. In Chapter 9. a closer look 

of the impacts of dual Vt technology on the power delay trade-offs in CMOS circuits 

is presented using process models and parameters from a commercial deep submicron 

(0.25//m) dual Vj CMOS process. It confirms the results in Chapter 8 that significant 

power delay trade-offs can be achieved in the new dual technology. However, it also 

illustrates some points which should not be ignored but are neglected in most research 

work of this field. More importantly, by carefully analysis of the experimental results, 

we raise some important suid interesting topics for future research directions in this 

area. 

The rest of the dissertation is organized as follows. In Chapter 2 some common 

terminology and aJl the power and delay models used in this dissertation are intro

duced. An overview of the previous work in the area of logic synthesis for low power 

is given in Chapter 3. .A. more detailed introduction of the rewiring techniques for 

combinationai logic synthesis is given in Chapter 4 due to its close relationship to the 
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topics in Chapter 5 and 6. Finally conclusions on this dissertation and directions to 

future work are suramaried in Chapter 10. 



27 

CHAPTER 2 

Terminology and Models 

This chapter reviews the definitions of some of the general terminology- and the 

power and delay models for CMOS technolog>- which are used frequently in this 

dissertation. Finally, the static timing einalysis method for delay estimation of a 

digital circuit is discussed. 

2.1 Terminology 

2.1.1 Combinational Circuits 

A combinational logic circuit is represented as a labeled directed acyclic graph 

(DAG) G = {V.E) with each vertex v 6 V ajid edge e E E corresponding to a gate 

and a wire between two gates in the circuit respectively. Without loss of generality, 

we assume that the circuit is expressed in terms of primitive logic gates. Associated 

with each gate in the circuit is a delay. The details of the gate delay models will be 

introduced in the following sections. 
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The fanout and fanin of a gate g are the irrunediate successor and predecessor of 

g in G. If a gate g has multiple fanouts. each individual wire at the output of g is 

called a fanout branch of g. A gate k is in the transitive fanout {transitive fanin) 

of gate g if there exists a directed path from g to k {k to s) in G. The set of all 

gates that are the transitive fanouts {transitive fanins) of the gate g is denoted 

by TFO{g) {TFI{g)). The topological level or simply level of a gate g is one more 

than the maximum level of its fanins. where the level of the primary inputs is zero. 

2.1.2 Sequential Circuits 

A sequential logic circuit is represented by a labeled directed graph G = {V. E) 

with each vertex v E V corresponding to a gate or a memory element and each edge 

e G £" corresponding to a wire between gates or memory elements in the circuit. The 

memory element is either an edge-triggered flip-flop or a latch. 

state transition graph (STG) is a labeled directed graph where the vertices 

represent the sates and the edges represent transitions between states. The edges are 

labeled with the input value which excites the transition ajid the output value that 

is produced. The destination node of an edge represents the next state for that input 

value. 

A. deterministic Finite State Machine (DFSM) M is a 5-tuple, (Q,I,0,A,^), 

where Q is the set of states, I is the set of input values, O is the set of output values. 
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The output function A ; (Q x I) —»• O and the next state function ^ : (Q x I) —»• Q are 

completely-specified switching functions. 

2.2 Models for Power Estimation 

As pointed out in Chapter 1. there are three main sources of power dissipation in 

a digital CMOS circuit. These are the switching power the short circuit power 

Psc and the leaicage power Puak-

2.2.1 The Model for Psv.-

The average switching power dissipated at a gate output is given by 

1 Vdd^ 
Psw = o ^ Cload X X E(switching). (2.1) 

- J- cycle 

where Cioad is the load capacitance at the output of the gate which includes both the 

drain junction capacitance and gate capacitances of the fanouts, Tcycie is the clock 

cycle time, E(switching) is the expected nimiber of signal traJisitions per cycle at 

the gate output and Vdd is the power supply voltage. 

In Equation (2.1), if Vdd and Tcyde are fixed, an estimate of the average power 

consumption of a CMOS combinationai circuit is given by 

•Psw,total — Oc E C'oadii) X £(i), (2.2) 
Vgates i 

where Cioad{i) and E{i) denote the load capacitance and the expected number of 

logic trajisitions (expected switching activity) at the output of gate i respectively. 
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For brevity, the term Cioad{i) x E{i) will be referred to as the switching capacitance 

of gate i. 

TO evaluate Equation (2.2). one has to determine the switching activity factors 

E{switching) of the internal nodes of the circuit. This can be achieved by logic sim

ulation or switching activity estimation. The problem of efficient switching activity 

estimation has been studied extensively in recent years [Naj94]. In [VX94. XV98], an 

efficient technique for estimating the average number of signal transitions in CMOS 

logic circuits under the zero delay model is introduced. In this dissertation, both logic 

simulation and the method of [VX94] are used to compute the switching activities 

for internal nodes. 

2.2.1.1 Estimation of Switching Activity 

In the method of [VX94], a logic signal x is modeled as a two state, discrete time 

Markov chain, which is characterized by two parameters, and /Zx, where Hx is the 

0—transition probability and is the 1—>0 transition probability. Let Hx [L^) be 

the random variable that represents the length of a 1-run (0-run) on a logic signal 

X. It is a simple matter to show that and Lx are geometrically distributed with 

expectations given by: 

E { H x )  =  a n d  E { L x )  =  —, (2.3) 
Ar /^r 
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Let Tx denote the number of signal trzinsitions on x .  Then its expectation (per unit 

time) is given by: 

EiTr) = (2.4) 
Ai ^ 

For each type of gate, the parameters of the output signai Cein be determined by 

the parameters of the gate's input signal. For example, the parajneters. \f and fif, 

of the output of an n-input AND gate are given by 

^ /  =  1-11(1- '^ . )  (2-5)  
t=i 

Xf rr^i Ui 

Similar formulas for other logic gates are derived. These formulas, which are exact in 

the absence of reconvergent fanout. allow local propagation of these parameters and 

result in a very fast method for estimating expected signal activity. In the presence 

of reconvergent fanout the parameters can be computed using BDDs [XV98]. We use 

this technique while performing the logic transformations to efficiently re-evaluate 

the switching activities at each node after any local transformations being applied to 

the circuit. 

2.2.2 The Model for Pjc 

This is probably the most difficult component of the power to be modeled. Since 

there is a full chapter (Chapter 7) in this dissertation to be devoted to the issues on 



32 

Psc modeling for CMOS technology, the introduction of the models will be given in 

in Chapter 3 along with the literature review. 

2.2.3 The Model for Pieak 

For a single NMOS(PMOS) device, the Berkeley Short-Channel IGFET model 

(BSIM) [SSKJ87] is used to estimate the lecikage power dissipation. In the BSIM 

model, the threshold voltage is expressed cis: 

Vt = Vt.o - nVid, (2.7) 

Vj.o = Vfb + Os + kiyjos - VBS — ^2(©5 — VBS), (2.8) 

where V f b  is the flatband voltage, 6, is two times the Fermi potential, Vbs is the 

substrate reverse bias, ki is the body-effect factor, and ^2 and 77 model the thresh

old lowering effects of short channel MOSFET's. The leakage current for NMOS 

transistors working in the week inversion region, i.e. Vg^ = 0, is given by 

= Ioexp{{V,s - V,)lnVT){l - exp(-V;,/V'T)), (2.9) 

where VT  is the thermal voltage (« 25m V at room temperature), n is the subthreshold 

slope coefficient, and Iq = fioCox{WfL)Vje^-^. The leakage current formula for a 

PMOS device is similar. For a typical deep submicron CMOS technology, A:i=0.6 to 

1 V°-®, k2=0 to 0.1, 77=0.04 to I, n=1.4 to 1.5 and ^s=0.9V. 

Equation (2.9) gives a simple formula for the leaJcage current for a single NMOS 

device. In CMOS logic gates consisting of serial-parallel networks of PMOS and 
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NMOS devices, the leakage current through devices in paxallel can be tatken to be 

the sum of the individual leakage currents. However, the leakage current through the 

serially connected MOSFETs requires careful analysis of different combinations of 

the on and off devices. In [GE96], simple analytical formulas for the leakage current 

through a stack of one. two and three MOSFETs are given. In addition, the leakage 

current for stacked NMOS devices is related to the single NMOS leakage current as 

follows. 

hi : hi •• hz = e. : 1 : 0.56, (2.10) 

where h, (2=1,2,3) is the leakage current for i stacked MOSFET's. hi is given by 

(2.9). Equation (2.10) shows that the leakage power of a CMOS gate depends on the 

state of inputs and the threshold value of the corresponding transistor. If we choose 

Vdd='2.o\\ Vx=0.2V. 77=0.2 and n=1.45, we have hi '• hi '• /s3=10:1.8:l. With this in 

mind, consider a 2-input CMOS NAND gate shown in Figure 2.1. For simplicity the 

PMOS and NMOS transistors driven by the the same input are assumed to have the 

identical threshold voltages, although different NMOS traxisistors can have different 

threshold voltages. The leakage power of the gate under different input combinations 

is summarized in Table 2.1. 

and are the leakage currents for the single NMOS device of input A 

and B respectively. These may be different due to their different threshold voltages, 

p is the leakage current of the single PMOS device of input A. This value can 
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Figure 2.1: A 2-input CMOS NAND gate. 

A B TotaJ Leakage Current 
0 0 T AB 

^s2.n 
0 1 J A  

sl.n 
1 0 •'sl.n 
1 1 T A  ,  T U  

Sl.D ' Sl.O 

Table 2.1: Leakage current breakdown for a 2-input CMOS NAND gate. 

also be different from Z;"! „ since the two transistors may have different sizes. 

is the leakage current when both NMOS devices A and B are off and the output 

C is high. -An approximate of is obtained by eissuming the smaller of the two 

threshold voltages for A and B. This is a conservative approximation and will not 

lead to significant errors since from (2.10) the leakage power of MOSFETs connected 

in series is much less thaji that of a single MOSFET. All these quajitities in the 

Table 2.1 can be obtained directly from (2.10). 

The overall average leaJcage power dissipation is expressed as follows: 

\p(AB) . + p(AB) * + 

p ( A B )  .  / « , „  +  p { A B )  *  (/,i + /S (2.11) 
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where p(») are the signal probabilities for the different input combinations. To accu

rately estimate the leakage power, the probabilities for each combination have to be 

determined. This may be achieved using BDDs [Cha89. Bry86]. However, in most 

practical ciises. the signal probabilities at the gate inputs and outputs axe obtained 

by either loccd propagation of signed probabilities or by logic simulation. 

2.3 Gate Delay Models 

An accurate and computationally efficient model for a short channel MOSFET 

is described in [SN91b]. The model, called the nth power law, is an extension of 

the alpha-power law model [SN91a], but is much more accurate. For fast input, 

the propagation delay (fx) and output transition time (trour) of a CMOS inverter 

according to the nth power law model are given by 

trouT = ^ r. (2-13 
0./ (4t;oo - 1)(2 +A') 

where ti is the input transition time, ur and vy axe the normalized threshold voltage 

and logic threshold voltage respectively, r, A', n and axe technology paxameters 

in the nth power law model. The nth power law model has been shown to accu

rately represent the I- V chaxacteristics of short channel MOSFET's down to 0.25-^m 

channel length. The CMOS inverter propagation delay and output transition delay 

formula derived from the MOSFET's model predicts the circuit behavior for modem 
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submicron designs very well. For CMOS gate delays, it was found that N MOSFET's 

connected in series (SCMS) would show less thein N times the delay compared to a 

single MOSFET for submicron designs [SN91a]. That is. 

d e l a y i S C M S )  .  
delay (inverter) " ̂  ^ 

where C is a technology* dependent parameter and 0 < C < 1- The typical value of C 

of a deep submicron CMOS technology is 0.5. 

2.4 Static Timing Analysis of VLSI Circuits 

To compute the circuit delay, standard static timing analysis is used. For each 

gate ^ of a circuit we define three values: AT{g), RT{g) aind S{g). These denote the 

arrival time, required time and slack for the gate g. The eirrival time AT{g) is the 

worst case delay from the primary inputs to gate g. Given the eirrival time at primary 

inputs, the arrival time of gate g is obtained by 

A T { g )  = max { A T { i )  + d i { g ) ) ,  (2.15) 
V t 

t 6 fanins of g 

where d i { g )  is the pin-to-pin delay from the input i  of the gate g  to the output of 

the gate g. This quantity is computed using the nth power law model mentioned in 

Section 2.3. For a given gate the pin-to-pin delay of each input pin may be different 

due to the different input transition time and the MOSFETs connected in series. 

Note that the interconnect delay is not considered in the delay computation. The 
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required time is the latest time the signal has to arrive at the output of gate g. Given 

the required time at each primary output, the required time at the output of gate g 

is obtained by 

R T [ g )  = min { R T { j )  -  d g { j ) ) .  (2.16) 
^ 3 

J €  fanouts of  g 

where d g { j )  is the pin-to-pin delay from the input of the gate j which is a fanout 

of the gate g to the output of the gate j. This delay is also computed using the rath 

power law model. The slack is defined as S{g) = RT{g) — AT{g). The set of gates that 

has the minimum slack value constitutes the criticaJ path of the circuit. If no gate in 

the circuit has a negative slack, then the timing constraints are satisfied [DGK94]. 
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CHAPTER 3 

Literature Review 

In this chapter, the published literature on the topics relevant to this dissertation 

axe reviewed. The topics include the minimization of and Puak and models for 

estimating Psc 

3.1 Methods for Switching Power Minimization 

3.1.1 Combinational Circuits 

As it can be seen from Equation (2.2) indicates that one way to reduce the switch

ing power dissipation is by minimizing the total switching capacitance (load capaci

tance times switching activity) of the circuit. Several methods to reduce the switching 

activity in CMOS combinational circuits have been proposed. In [SDGK92, IP94] the 

don't care sets of internal nodes of the combinational network axe used to minimize 

the weighted average switching activity of each node. In [BS95], a modified version 

of the ESPRESSO [BHMSV84] heuristic is used to seeirch for a cover of cubes that 
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have reduced switching activity. In [IP95. V'X94]. the problem of two-level logic op

timization for low power is addressed. In [V'X94], the authors show how to balance 

the potentially conflicting requirements of minimizing power and area. Under the 

assumption of equal signal probabilities, an algorithm is presented which minimizes 

the amount of overlap among cubes in a cover while attempting to majcimize the sizes 

of the cubes. In [IP95] the authors extend the idea further ajid solve the problem of 

optimizing a two-level combinational circuit for low power without the assumption 

of equal input signal probabilities. 

All of the works mentioned above depend on the computation of prime implicants 

or local don't care sets of internal nodes. In practice this will require excessive amount 

of computation. In [TMA95], power reduction is achieved by identifying a subnetwork 

(guarded subnetwork) that can be disabled. The disabling of a subnetwork is achieved 

by adding a latch to each input of the guarded subnetwork. A disadvcuatage of this 

approach is the potentially large area penalty that could be incurred due to the 

additional latches. In [RKW96], the concept of permissible functions [MKLC89] is 

used to identify structural trajisformations for power reduction. Their approach is 

based on the .•\TPG techniques, and consequently, the computations involved may 

be very time consuming. However, they reported an average of 21% power reduction 

with 7% reduction of area. 
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More recently, implication based logic transformations for low power have been 

shown to be an efBcient approach to explore power savings at the logic level. In [PCSK96], 

the authors use logic implications to identify both satisfiability and observabilitv don't 

cares in a technology independent circuit, and use a set of transformations based on 

these implications to reduce both the area and power consumption of a given netlist. 

An average of 16% cirea reduction and 22% power reduction axe reported. However, 

no delay information is reported. A similar approach that is applied to a technology-' 

mapped circtiit is described in [BBH'^96]. In this work, the use of an accurate delay 

model allowed examination of tradeoffs between power and delay. The method uses 

BDDs to compute the implications. While a symbolic computation of implications 

will generate more implications from a given assertion than the method proposed in 

[PCSK96], its computation time may be very high. 

3.1.2 SequentisJ Circuits 

Switching power reduction in sequential logic circuits has also received some atten

tion recently, albeit to a much lesser extent compared to the combinational circuits. 

In [MDG93], the reduction is attempted by re-timing the latches, without modifying 

the combinational logic that is bounded by the latches. The objective is to reduce 

the amount of glitching in the circuit. This approach does not exploit the sequential 

dependencies in the signcds, which caji potentially result in significant reductions in 

switching activity. Techniques that us gated clock [BD95] are promising for power 
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reduction because power dissipation due to the clock network is the dominant compo

nent of the totaJ switching power in most designs. However these techniques depend 

on the analysis of state trajisition graphs (STG) whose size Ccin be prohibitively laxge 

for industriai circuits. 

3.2 Short Circuit Power Estimation 

The majority of power estimation and optimization techniques have focused on 

the switching power dissipation. However, as the device sizes axid threshold voltages 

become smaller. Psc is no longer a negligible factor. For example, for high performance 

circuits, if large gates are used to drive relatively small loads and if the input transition 

time is long, then Psc becomes quite significajit [Ped96]. Figure 3.1 shows a plot of 

PscjPsw versus different load capacitance for a CMOS inverter with minimimi chajinel 

length of 0.25/zm. The plot was obtained from HSPICE simulation. It can be seen 

that in some cases, e.g., when the load capacitances are small, the short circuit power 

dissipation can far exceed the switching power dissipation. 

Since the original work by Veendrick [Vee84], different models have been proposed 

for short circuit power estimation with varying degrees of accuracy. It is well known 

that the P^c depends on the input signal transition time, the load capacitances and 

the transistor sizes. The model proposed in [Vee84] ignores the load capacitance at 

the  ga te  ou tpu t  and  ass imies  tha t  the  sa tu ra t ion  cur ren t  f lows  f rom V dd  to  G N D  
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Figure 3.1: Short circuit power dissipation (Pjc) as a percentage of dynajnic power 
dissipation (Psw) v.s. load capacitance. The CMOS inverter was Wp = l.ofxm, W„ = 
O.ofim, Lp = Ln = O.'lofim. Assumed input transition time was TQ=2 ns and / = 100 
MHz. 

during the entire transition period. This model results in an upper bound of the Psc 

of a CMOS inverter. The short circuit power model in [SN90] took the samie ap

proach and the only difference is the use of the a-power law MOSFET model [SN90] 

for the saturation current expression instead of the squaxe-law MOS model [SH68]. 

Consequently, [Vee84] and [SN90] only provide boundary on Psc and are not suffi

ciently accurate for power estimation and optimization. In [HJ87] a more realistic 

Psc model, which includes both the effects of input transition time and output load 

capacitances, was proposed. In the rest of this paper, this model will be referred to 

as the HJ model. It is shown that for normal operation, the short circuit power dis

sipation of an inverter is only 30% of the amount predicted by the model in [Vee84]. 
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Figure 3.2: Compaxison of the short circuit power dissipation of the CMOS inverter 
in Figure 3.1 between HSPICE simulation and HJ model. Input transition time ro=.5 
ns. and / = 100 MHz. 

Unfortunately, this model is also not sufficiently accurate for current submicron tech

nologies. Figure 3.2 shows the comparison between the HJ model and the HSPICE 

simulation for the simple inverter in Figure 3.1. It cam be seen that for slow input 

and fast output signals, the error between the model axid simulation caxi be as large 

as 100%. 

More recently a new short circmt power model was proposed by [TAA95]. The 

approach taJcen is to model the short circuit power by determining an equivalent 

short circuit capacitance. Assuming linear input ajid output waveforms, the authors 

of [TAA95] found that the average short circuit current during the input rising tran

sition is given by: 

= f VJd (1 - b? 7-̂ . (3-1) 
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where t i f j . i  aJid t H L .o aj^e the input and output slopes respectively, and b  =  (Vf.„ +  

I^.pD/^'dd- On the other hand, using the technique in [Vee84], the average short 

circuit current during the input rising transition can be expressed as: 

(1  -  if-  (3.2)  

As stated above. Equation (3.2) provides an upper bound on the average short circuit 

current for the output falling transition. However, comparing (3.1) and (3.2), when 

< 3, the average current obtained by (3.1) may exceed the mcLximum average 

short circuit current given by (3.2). Additionally, due to the non-lineaxity of the 

input and output waveforms in practice, the input and output slopes su-e normally 

estimated from the real input and output waveforms. Therefore the accuracy of (3.1) 

is strongly depended on the estimated vaiues of and HSPICE simulation 

shows that the short circuit power obtained from Equation(3.1) are overestimated in 

most ca^es. 

The work by [VS94] improved the results of [HJ87] by using the a-power law 

MOSFET model which considers the short channel effects. However, to obtain closed 

form formulas, impractical assumptions had to be made that lead to significant errors 

under certain conditions [BNK98]. Most recently, a new short circuit power model 

that includes the gate-to-drain coupling capacitance effects is described in [BNK98]. 

This model is also derived from the a-power law MOSFET model [SN90]. Like the 

work of [VS94], authors in [BNK98] also make some simple assumptions to obtain 
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a closed form formulas for the output voltage. In addition the model itself requires 

excessive amount of computation. Nevertheless, experimental results showed good 

fit between the model and HSPICE simulation for O.Sfim eind I.2/zm technologies. 

3.3 Leakage Power Dissipation 

The problem of minimizing leakage power in a CMOS circuit has only recently be

come a topic of importance. To maintain high performance using submicron devices 

operating at low supply voltages, the threshold voltage has to be scaled down. This 

lowering of the threshold voltage hcis reached a point where the power dissipation 

due to the leakage or standby current has become significajit. This problem is espe

cially serious for portable devices operating on batteries. This is because the leakage 

current of MOSFETs increases exponentially with the decrease of the threshold volt

age [GE96, Tea95]. 

One relatively recent development is the use of multiple threshold voltage CMOS 

(MTCMOS) [KCA97] to minimize Pieak in a CMOS circuit. If only two threshold 

voltages are considered (dual threshold CMOS - DTCMOS), then the threshold volt

age of an appropriate subset of the devices can be assigned the higher threshold 

voltage by including an extra implant step [KC.A.QT]. 

[PDC97] simultaneously optimizes the supply voltage, threshold voltage and tran

sistor sizes assuming MTCMOS. Their approach is based on first assigning delays to 
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all the gates without violating the cycle time constraint. Then the optimal supply 

and threshold voltage and transistor width of each gate are determined so as to min

imize power consumption. Their algorithm has the flexibility of assigning different 

threshold voltages, but it aissumes a single threshold voltage for all devices on the 

same chip. Their results indicate significant reduction in total power dissipation aJid 

energy. It must be pointed out that their estimation of the leakage power does not 

take in account the signal probabilities, which could result in significaxit errors in the 

estimates. In [KCA97], an MTCMOS circuit structure is proposed and analyzed. The 

circuit consists of a network of transistors that have low Vj. The network is connected 

to ground through a high Vt gating transistor that is off during the inactive period 

and on during the active period. In this way the standby current is reduced. This 

approach introduces several complications for circuit design. For exaimple, reverse 

conduction paths may exist which tend to reduce the noise margins or in the worst 

case, result in complete failure of the gate. .A.dditionally, the leakage power dissipated 

when the system is in the active mode will not be reduced. Finally, extra chip axea 

is required for the high Vt gating transistors and the eissociated routing of wires. 



47 

CHAPTER 4 

Introduction of Rewiring for Circuit Optimization 

4.1 Introduction 

Multi-level combinational logic synthesis hcis been one of the most active research 

areas during the last fifteen years. The goaJ of multi-level logic optimization is to 

transform a combinational circuit into a less expensive and fimctionally equivalent 

circuit, based on a given cost function. The cost function typically includes area, 

speed, power dissipation and testability. Modem logic synthesis is typically viewed as 

a two step process: the first being the the technology independent phase and the other 

being the technology dependent pheise (technology mapping). Since the pioneering 

work of [RBW87], numerous new algorithms and techniques have been proposed to 

solve the problem. However, even with much recent progress [DGK94, De 94], the 

complexity and size of today's VLSI circuits make the multi-level optimization still 

a major challenge in the field of computer aided circuit design. 

A common approach taken by almost ail existing multi-level optimization tech

niques is the case of local transformations. That is, instead of dealing with a highly 



48 

complicated global optimization problem, which is intractable in almost all cases, the 

original problem is divided into smaller sub-problems and each one is solved opti

mally. There axe two main clcisses of the technique for multilevel logic optimization. 

One is based on the use of algebraic transformations, such as factorization, decom

position. kernel ajid cube extraction [RBWS7]. The other is based on the use of logic 

and structural transformations. .Among all the logic and structural transformation 

techniques, the rewiring approach falls within the scope of this dissertation since it 

forms the basis of the new algorithms for switching power minimization (Chapters 5 

and 6). Consequently, a detailed review of previous work in this area is given in the 

remainder of this section. 

Given a logic netlist of a combinational circuit, rewiring techniques optimize the 

circuit by adding and removing redundaxicies to the circuit. .A. redundant connection 

of a circuit corresponds to a stuck-at-0 or stuck-at-1 fault on this connection [M.A.F90]. 

In other words, the function of the circuit (at the primary outputs) will not be 

chajiged by adding or removing the redundajit coimection. Obviously a circuit can 

be simphfied by removing any redundant connections. However, if adding a redundant 

connection results in one or more other connections becoming redundant, then the 

circuit may be further simplified. Many of the concepts underlying rewiring technique 

are closely related to the subject of ATPG (.Automatic Test Pattern Generation). 

Furthermore, the recent advances in rewiring techniques [KM93] have essentially 
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demonstrated that they are as powerful ajid more efficient than classical algebraic 

methods for multi-level logic synthesis. 

Most of the rewiring techniques utilize ATPG tdgorithms for redundancy removal. 

They differ in the way that new redundancies are introduced in the circuit. In pax-

ticular. redundancy addition techniques are based on the use of .A.TPG. the concept 

of mandatory assignment, or the use of implication analysis. These approaches axe 

elaborated below. 

4.2 Redundancy Addition by ATPG 

This is the approach taJsen by the eaxly work in this field [CE93]. First, all 

possible candidate connections to be added from a source gate to a target gate are 

found. These candidate connections do not include those in the transitive fan-in or 

fan-out of the source gate. For each such connection, a single stuck-at fault is injected 

into the netlist. This is followed by applying ATPG on the injected fault. If the fault 

is found to be redundant, then this connection will be actually added to the circuit. 

Otherwise, a fault simulator is used to eliminate any other irredimdant candidate 

connections. This process continues until no more candidate connections axe left. 

This completes the redundancy addition step. Then ATPG is used to identify and 

remove any new redundant connections. 



50 

Although this algorithm is conceptually simple and not very efficient, this eaxly 

work showed some promising results in the use of rewiring techniques for multi-level 

logic optimization. 

The technique described in [RB94] may be viewed as a generalization of the simple 

single wire redundancy addition and removal scheme presented in [CE93]. Multiple 

connections and logic gates can replace aji existing node in a circuit. ATPG packages 

are used to identify these substitutions. 

4.3 Redundancy Addition by Mandatory Assignment 

The methods described in Section 4.2 simply attempt to add ail possible redun

dant connections regaxdless of whether or not the redundant connection will result 

in simplification of the circuit. This is not only inefficient (by considering all pos

sible connections) but also creates many unnecessary redundant connections. The 

approach described in [EC93] is different from above in that it is possible to deter

mine the effect of the redundancy addition before the connection is added. In other 

words, if a redundant connection C that to be added is found, then it is possible to 

determine the set of connections that become redundant due to the addition of C. 

These may be removed to simplify the circuit. This approach is based on creating 

conflicts in the mandatory assignment for the stuck-at fault on the connection which 
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Figure 4.1: An example of redundcincy addition and removal using the mandatory 
assignment scheme. 

is intended to be removed. The mandatory assignment is the necessary condition of 

the values of some gate outputs for a test of a fault to exist. 

For example, consider the circuit shown in Figxire 4.1. Suppose the connection to 

be removed is the connection from gi to ^4. Now consider the stuck-at-l fault on this 

connection, which is shown as a bold line in Figure 4.1. A subset of the mandatory 

assignment for this fault is {c = 1, / = l,^i = 0}. These axe the necessary conditions 

f o r  a  t e s t  p a t t e r n  t o  b e  a b l e  t o  d e t e c t  t h e  f a u l t .  S i n c e  c = l = > c  =  0 = > ^ 2  =  0  

and gi = 0. we have gs = 0, which is also a mandatory assignment. Note that / 

and gs have different values in the mandatory assignment. Now consider the new 
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connection from to gs- It is easy to see that if this connection is added then the 

majidatory assignment for the fault propagation will not be satisfied. Therefore the 

connection from g\ to g^ becomes redundant if the connection from gs to g^ is added. 

The next step is to verify that the connection from g^ to g^ is also redundcint. This 

can also be determined from the mandatory assignment for the fault stuck-at-1 of 

the connection from gs to g^. It does not tcike too much effort to find out that the 

mandatory assignment for this fault is aJso inconsistent. Therefore we caji add the 

connection from g^ to gs and as a result of this addition the connection from gi to g^ 

becomes redundcint. This circuit can be siinpUfied by removing this connection. 

In [CS94. CvMS96] the concept of meindatory assignment is extended to allow 

the simultaneous addition of multiple connections, the addition of logic gates and 

substitution of one gate by another. .A.lso. some efficient heuristics [CvMS96| axe 

developed to speed up the procedure for finding new redundancies after adding a 

redundancy, which has been shown to be the most timing consuming part of the 

approach. 

The shortcoming of this technique is that for each candidate connection to be 

added, a test generation step is required to verify the candidate connection is indeed 

redundant. This can be very computational expensive. 



53 

4.4 Redundancy Addition by Implication Analysis 

The most fundamental shortcoming of the rewiring schemes described in [CS94. 

CvMS96. CE93. EC93. RB94] is that only a small set of possible network manipula

tions axe considered. Therefore they do not provide the same power and flexibility 

as the classical synthesis methods based on algebraic transformations. 

In [KM93], a new set of rewiring transformations based on indirect implica

tions [KP94] weis introduced. It was shown that, in principal, the implication bcised 

transformations can result in arbitrary transformations in a combinational work. In 

other words, theoretically it has the same power «is the algebraic transformations. For 

example, it was shown that the transformations based on simple indirect implications 

and D-implication correspond to the division and the common kernel extraction, two 

basic steps involved in the algebraic transformations. .Another important contribu

tion of this work is that it introduced a new heuristic for logic optimization, i.e. the 

more indirect implications in a circuit the less optimal of the circuit. .A.s a result, 

transformations based on indirect implications will be useful to reduce the cost of the 

circuit, in terms of the number of connections or gates. 

4.4.1 Combinational Implications 

Definition 4.1 Given a graph G = {V,E), an implication on G is a labeling of 

P QV and Q Q E starting from an assumption according to the implication rules. 
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During the implication procedure, a net can be labeled by a logic value 0 or 1. 

The rules for performing direct implications in a combinational network are straight

forward. For example, the rules for an .A.ND gate axe showTi in Figure 4.2(a)(b)(c)^ . 

The rules for other types of gates are eetsily derived. 

(a) (b) (c) 

Figure 4.2: Logic value propagation of the .A.ND gate. 

The above implications is also called simple or direct implications. The other type 

of implication is called an indirect implication [STS87] or recursive learning [KP94]. 

Recursive learning provides a systematic way to generate all implications of a circuit. 

.A.S an exsmiple of an indirect implication, consider the circuit shown in Figure 4.3. 

No direct implications can be obtained by the assignment of / = 1. However, if /=1 

then at least one of the inputs of the OR gate / has to be 1. It is easy to see that in 

either case, the node c has to be 1. Therefore, / = 1 indirectly implies c=l. 

Figure 4.2, the downward and backward arrows indicate the direction of the implications. 
For example, in (b) the output of the AND gate being a 0 and the top input being a 1 imply the 
bottom input is a 0, as indicated by the downwzird arrow. 
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D 
Figure 4.3: An example of indirect implication. 

4.4.2 Multi-level Circuit Optimization by Implication Analysis - An Ex

ample 

Figure 4.4 shows aji example of using indirect implications for circuit optimization. 

The original circuit is shown in Figure 4.4(a). Using indirect implications, we find 

that i = I d = I. According to the Lemma 4.3 in [KM93]. the transformation 

in Figure 4.4(b), shown in bold lines, can be applied without changing the fimction. 

However, after runing ATPG on the circuit of Figure 4.4(b), the stuck-at-1 faults 

on the connection g and / is found to be redundant. Consequently, the circuit of 

Figure 4.4(b) can be simplified by removing these two new redundancies. The final 

circuit is shown in Figure 4.4(c) which is simpler thein the original circuit in (a) in 

terms of number of connections as well as the number of gates. 
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(a) The original circuit 
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(b) The circuit after redundancy addition 

(c) The final circuit after redundancy removal 

Figure 4.4: An example of circuit optimization using indirect implication. 



57 

CHAPTER 5 

Combinational Rewiring for Low Power 

In this chapter we present a different and very efficient method for reducing the 

switching activity in CMOS combinational logic circuits. The method is based on 

the addition of redundant connections. A post transformation power-delay tradeoff 

analysis step is aiso carried out to ensure that the transformed circuit does not violate 

any delay constraints. For brevity, the proofs of all the theorems appear at the end 

of this chapter. In the rest of this chapter the two terms power and switching power 

will be used interchangeably. 

5.1 Overview of the Transformations 

Consider the circuit shown in Figure 5.1(a). The corresponding table on the right 

shows the parameters, A and /i, and E, the expected number of signal transitions per 

unit time, associated with each signal. Pseudo random binary waveforms with the 

given input transition probabilities are applied to the circuit. Input c has relatively 

few transitions and since fj,{c) is much smaller than A(c), the binary waveform on 

c has long runs of zeros, see Equation (2.3). Suppose c and gi are selected as the 
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source and target of a new connection Ix. Tiiis connection is redundant and hence the 

function of the new circuit remeiins the saxne. Note that by adding i\. E{g\) reduces 

from 0.49 to 0.078. Furthermore, with the addition of both the connections from c 

to gz and become redundant (e.g.. s-a-1 faults on these two lines are undetectable). 

.A.fter removing these new redundancies, the circuit shown in Figure 5.1b is obtciined. 

This transformation reduced the total switching capacitance^ from 5.265 to 4.181; a 

21% reduction. (In this example, the input load capacitances of all gates axe assumed 

to be the saxne for simplicity, e.g. unity. This is valid for the small primitive gates.) 

The circuit in Figure 5.1(a) was aiso simulated using waveforms with different 

input parameters. These parameters and the expected signal transitions axe shown 

in the table corresponding to Figure 5.1(c). This time gate ^3 was selected as the 

source. The binary waveform associated with the output of gate g^ indicates long 

runs of ones. Gate gs was selected as the target. The addition of the (redundant) 

connection from g^ to g^ (line £2) results in a 26.4% reduction in the totaJ switching 

capacitcince, which is due to the significant switching activity reduction at gs and g^. 

Note that in this case, although the output load at g^ and the area of the circuit axe 

increased, the result is an improvement in terms of the power consumption. However, 

if the same connection £2 was selected and the data described by the input paxameters 

given in Figure 5.1(a) used, then the reduction in switching activity would only be 

'The load capacitances are obtained from the SIS[Sea92] mcnc.genlib librziry. 
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(a) 

(b) 

K  E 

a 0 S03 n.'il.T 0 5n« 
b 0,200 0.813 0.321 
c 0.895 0.101 0.182 
d 0.507 0.499 0.503 
e 0.101 0.892 0.181 

e i  0.602 0.410 0.490 
eg 0.813 0.200 0.321 

0.963 0.037 0.073 

5 4  0.958 0.041 0.080 

0.599 0.407 0.487 

B§ 0.640 0.365 0.467 

®7 0.613 0.391 0.480 

total E Weighted by Fanonts 5.265 

A. E 

a 0.503 0.513 0.508 
b 0.200 0.813 0.321 
c 0.895 0.101 0.182 
d 0.507 0.499 0.503 
e 0.101 0.892 0.181 

gl 0.958 0.041 0.078 
0.813 0.200 0.321 

63 0.963 0.037 0.073 
®5 0.599 0.407 0.487 

e e  0.640 0.365 0.467 

S - j  0.613 0.391 0.480 

Total E Weigbted by Fanouts 4.181 

a 

b 

d 
e • 

tHK 

(c) 

S> 

X E 

a 0.045 0.950 0.087 
b 0.022 0.986 0.042 
c 0.049 0.938 0.094 
d 0.501 0.496 0.498 
e 0.061 0.934 0.113 

S\ 0.066 0.933 0.123 
g2 0.986 0.022 0.042 
S3 0.166 0.829 0J277 

S4 0.112 0.882 0.199 
®5 0.507/0.924* 0.490/0.07? 0.498/0.130* 

ee 0.536rt).945* 0.460/0.052 0.496/0.07? 

e? 0.106 0.888 0.133 

Total E Weighted by Fanoata 2.976/2.190* 

"The valaes after addio  ̂the wire shown at left 

Figure 5.1: An example of re-wiring to reduce switching activity of a combinationeJ 
circuit 
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3.4%. This would be primarily due to the removal of gate ^4. Considering the 

overhead of the transformation and the estimation error, this may not be desirable. 

The above example highlights two important points: (1) local logic transfor

mations can be very effective for re-synthesis when the objective is to reduce the 

switching activity or power, and (2) the effectiveness of the transformations depends 

strongly on the input waveforms. 

5.2 Logic Transformations 

5.2.1 Selecting a Source 

The logic transformations consist of adding redundant connections from the output 

of a low activity gate (source) to a high activity gate gt [target) so that the local 

function at the gate gt is changed and as a result, its activity is reduced. Hence 

a good candidate for a source gate will be a gate with low activity. Thus sources 

are selected by first estimating switching activity at each gate. This can be done 

by (1) generating random binaxy waveforms on the inputs with given transition 

probabilities, performing logic simulation and then computing the average number 

of signal transitions on each signal, or by (2) propagating the parameters as done 

in [VX94]. The gates are sorted in increasing order of switching activity and the low 

activity gates are selected in turn as potential sources for the redundant connections. 
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5.2.2 Selecting a Target by Single-Source Implication 

After selecting a source gate, a target gate is sought such that the connection 

from the source to the target is redundant. This is done by logic implication (ref. 

Chapter 4.4.1 for the implication rules), followed by u-propagation. 

Definition 5.1 u-propagation: An input of a gate is labeled u if at least one other 

input of the gate has the controlling value. If the output of a gate has multiple 

branches, then the stem is labeled u if all the branches are labeled u. If the output of 

a gate is a labeled u. then all its inputs are also labeled u. 

u 

(a) (b) 

Figure 5.2: .An example of u-propagation. 

Figure 5.2 shows the u-propagation rules for the 2-input AND gate. Note that 

the difference between the u-propagation axid the propagation of unobservabilities 

described in [IA94] is how stems are processed. 

•After the implication and u-propagation steps, the circuit nodes can be partitioned 

into three sets: 
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1. 5„.u is the set of nodes that are labeled by an implied value v € {0.1}. or by 

the pair {f. u}. 

2. Su is the set of nodes that are labeled only with a u. 

3. So is the set of nodes that are not labeled. 

Lemma 5.1 After implication of a logic value at a source gate gs< and u-propagation. 

the gates in the set Su which are not in the fanin cone of g^ are unobservable. 

.A.11 the unobservable gates identified after the implication of will be considered 

as the potential target gates. Theorem 5.1 shows that either the inverted or non-

inverted connection from gs to the target gate will be redundant. 

Theorem 5.1 Let TFO{g) and TFI{g) denote the transitive fanout and fanin cones 

of a gate g. Let gi and gj^ be two logic gates and Cj be the controlling value of gate 

gj. If gi = V forv 6 {0,1}. implies that gj is unobservable, where gj 0 TFI(g{), and 

V = Cj (^) then the non-inverted (inverted) connection from gi to gj is redundant. 

As a result of Lemma 5.1 and Theorem 5.1, a connection from a source gate gs to 

ajiy gate gt € 5u and gt ^ TFI{gs)-, will be redundant. However, the (local) function 

realized at the output of the target gate may have changed, and result in a reduced 

switching activity. 

-Note the target of a connection to be added can be any node in the circuit. For example, if the 
target node is a primary input, then an extra gate is added. In the rest of this Chapter, we will 
refer the target node as target gate for simplicity. 
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Lemma 5.1 does not say anything about the gates in 5„,u. The gates in S-^.u cannot 

be guaranteed to be unobservable even if they are marked by u. This is because it 

may be possible that such gates are observable as a result of multiple path sensitiza

tion [IA94]. Interestingly, a similar result was obtained independently by [IA96]. In 

fact our marking scheme provides an efficient solution to the unobservability propa

gation. We now show that the addition of connections from a source gate gs to any 

unobservable gate in 5„.u will not result in any (local) reduction in switching activity 

at the target gate. 

Let g[ denote the new function realized by the target gate gt G after the 

connection from g^ is added. Let Cg^ denote the controlling value of g^ Without 

loss of generality, we assume the target gate is either an AND or cin OR gate. The 

possible functions realized by g[ ase: 

1: if = 1 9T unobservable, and = I. then + Qt'-. 

2: if = 0 —+ gt unobservable. and = 1, then g[ = 'gl + gt\ 

3: if ^5 = 1 —>• gt unobservable. and Cg^ = 0, then g[ = 'glgt', 

4: if = 0 gt unobservable, and = 0, then g[ = gsgt'-. 

Suppose a sequence of n inputs are applied to the circuit. Let T { s )  denote the 

number of transitions in a binary sequence s. Let = {x,}, Yn = {yi} and Zn = {^t } 

be binary sequences of length n, that would be observed at ^5, gt and as a result of 
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the applied sequence of inputs. Then the change (as a result of adding the connection 

from gs to gt) in the number of transitions is given by 

r ( Z n ) - r ( v ; )  +  r ( x „ )  

The following Lemma shows that the first trainsformation (for ) mentioned above 

will not reduce the total switching activity of the circuit if gt E S^.v 

Lemma 5,2 Let Xn = = {j/i} ond = {z,} be binary sequences of length 

n, with Zn = Xn + Yn- Let T{Xn) denote the number of transitions on a binary 

sequence Xn. //"x, = 1 —»• j/,- = u (u G 0,1). then 

T { Y r , ) - T { Z n ) < T { X n )  (5.1) 

For example given gate gt in 5„.u, even if the gate gt is unobservable, after adding 

a connection from gs to gt, Lemma 5.2 says that the total switching activity will 

always increase. The same holds true for the other three transformations. While it is 

possible to achieve a reduction in switching capacitajice by considering unobservable 

gates in Su,v as targets, due to the load capacitance seen at the outputs of and gt-, 

the savings in computation time by ignoring out-weighs the marginal reduction 

in power. 

In summary, Lemma 5.2 implies that only the gates in Su need to be considered as 

candidates for target gates, and Lemma 5.1 and Theorem 5.1 guarantee that all the 

connections added from the source gs to the selected targets from 5u axe redundant. 
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Figure 5.3: .A.n excimple of single source implication 

As an example, consider the circuit shown in Figure 5.3. The numbers shown in 

the figure are the average switching activity of the corresponding signal lines. Gate 

g\ is a gate with a very low switching activity. Suppose we imply a logic 0 on the 

output of gate gx (the value chosen for forward implication is explained below). After 

forwaxd implication, we perform u-propagation. Since one of the inputs to g^ is its 

controlling value, the other input (output of ^3) is marked by u. Propagating u as far 

back (toward to the primary inputs) as possible shows that gate 52 is also marked by 

u. According to Lemma 5.1 and Theorem 5.1, the connection from g\ to the input 

of g2 is redundant. This is easily seen since a s-a-1 fault on the added connection is 

undetectable. Note also that both g2 and g^ have high switching activities before the 

redundant connection was added and the significant reduction in switching activity 

is due to the new connection. 

5.2.3 Selecting the Implication value 

Recall that a target gate is found by first performing a logic implication on the 

source gate gs. If a logic 1(0) is implied at gs and a tcirget gate gt is found which is 
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only maxked by u. then the 5-a-0(l) fault at the inverted or non-inverted connection 

from gs to gt will be undetectable, i.e. the connection will be redundant. In practice, 

the choice of the logic value for the purpose of implication is important. For example, 

suppose a source gate gs ha^ a low signal activity and a much smaller value of A than 

the value of /z. This means that the binary sequences at g^ will typically have long 

runs of ones, but short runs of zeroes. .According to the Theorem 5.1 if a logic 0 is 

implied at the output of gs and the target gate gt is found to be unobservable. then 

the connection from gs to gt will be redundant. Furthermore, if gt is an .A.ND/NAND 

gate, a non-inverted connection can be added without changing the function at the 

primeiry outputs. However, because gs has long runs of ones, and since 1 is not the 

controlling value of gt, the added connection will have little effect on the switching 

activity at gt- Similairly. if the gt is an OR/NOR gate, an inverted connection can be 

added without changing the function at the primary outputs. Because the output of 

gs is inverted, the input to gt will have long runs of zeros. .A-gadn, this will not have 

any significajxt effect on the switching activity at gt- Thus if the binary sequence at 

gs has low switching activity and has longer runs of zeros (ones) than the runs of 

ones (zeros), a logic value of 0 (1) will be implied at the output of gs- Figure 5.4 

summarizes the basic steps involved in finding a target using single source implication. 
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procedure ssi {) { 
/'Rs = 5u after implication on gs-''/ 
/"E is the switching activity at the gate output.''/ 
1. =0, 5 = 0: 
2. Sort gates in increasing order of E into S: 
3 .  i f ( S # 0 ) {  
4. Take a gate gs with the smallest E from S: 
5. Select a logic value v to imply; 
6. Forward/backward implication of v at g^', 
7. Backward u-propagation; 
S. if [Su == 0) goto 3: 
9. else •A.dd gates in 5u to R^: 
} 
10. else Stop: 
12. return i?,; } 

Figure 5.4: The Single source implication algorithm. 

5.2.4 Multiple Source Implication: A Covering Problem 

The backward u-propagation in the single source implication algorithm will stop at 

a gate with multiple feinout or at a primary input. To create more potential redundant 

connections, the u-propagation should be continued as far back as possible. Multiple 

source implication attempts to make aJl the fajiouts of a multiple fanout gate g 

unobservable by selecting an optimal subset of sources found during the single source 

implication procedure that will collectively maJve g unobservable. 

Definition 5.2 Let gt be a gate with fanout r. For each fanout branch gk of gt, let 

I k { g t )  =  { 9 j ' } <  w h e r e  g j  i s  a  s o u r c e  g a t e  s u c h  t h a t  g j  =  V j  ^ j k  €  5 u .  I k { g t )  i s  

c a l l e d  t h e  i m p l i c a t i o n  s e t  f o r  f a n o u t  b r a n c h  g k  o f  g a t e  g t .  
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Suppose that the backwaxd u-propagation stopped at gate gt and could not proceed 

to its inputs. In this case. ny_j/j(^£) = 0 since otherwise gate gt would have 

been labeled by u by the single source implication procedure and multiple source 

implication would not be needed. 

Theorem 5.2 Let gt be a target gate with fanout r and C = ] be a 

cover of the sets higt)- Irigt)- Let g' be a gate such that: 

(1) g ' i ^ .  • • • . g ' i ^  a r e  i t s  i n p u t s ,  w h e r e  g ' ^ ^  =  ©  g i ^ - f o r  k  =  1 j .  

(2) I f  g t  i s  a n  ( A N D  o r  N A N D ) / ( O R  o r  N O R )  g a t e ,  g '  i s  a n  N A N D / A N D  g a t e .  

Then the connection from g* to gt is redundant. 

As an example, consider the circuit shown in Figure 5.5. I \ { g t )  =  ^ 2 { 9 t )  =  

3iid h { g t )  = {^1}- Note that g l  G h i g t )  and g l  6 h { g t )  represents the 

condition that if ^3 = 1, then fanout branches 2 and 3 of gt vvill be mcirked only 

by u. A cover of the sets is C = A new gate g^ is added with ^ and gz 

cLS its inputs. To test the s-a-0 fault on the connection from gn to gt, g\ must be 0 

and gz must be 1. However, from Figure 5.5(a), = 0 and ^3 = 1 will result in all 

the fanouts of gt to be unobservable. Hence the fault is unobservable at the primary 

outputs. That is, the connection from g-n to gt is redundant. 

It is easy to see that the size of the cover determines the number of inputs of 

the newly created gate. Minimizing the number of inputs to the new gate is the 

same «LS finding a minimum cardinality cover of the implication sets of the fanouts 
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Figure 5.5: An example of multiple source implication 

procedure msi () { 
/"Rm is the set of gates marked by u.'/ 
1 .  = 0  

2. for (V^, with fanout > 1 and ^ .9„ by ssi{) ) { 
Find a minimum cover C of the implication sets Ik{gi)', 
Mark gi with u; 
Backward u-propagation; 
Add newly found gates maxked by u to the Rm-

return (RmiC): } 

Figure 5.6: The multiple source implication algorithm 
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of the target gate. Note that the minimum cardinality cover need not be the best 

in terms of switching activity reduction. For example, in the situation depicted in 

Figure 5.5. C = {^2-^3} is also a cover, and may result in a greater reduction in 

switching activity. The algorithm of the multiple source implication is shown in the 

Figure 5.6. 

5.2.5 Structured transformations 

The addition of redundant connections may make one or more irredundcmt con

nections redundant [CS94. CE93]. These redundancies can be removed to simplify 

the circuit and also reduce the power. Clearly, the redundcuat cormections that were 

added to reduce the switching activity should not be removed. The redundajicy re

moval procedure used here is the one described in [IA94. IA96]. This algorithm also 

uses logic implication and is easily implemented using the routines used in the single 

source and multiple source implication algorithm. 

The addition and removal of redundant connections can alter the topology of 

the original circuit significantly. This is particularly true for large circuits. This pro

vides an opportunity for further structural transformations. The additional structural 

transformations include: 
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g G Y-

la) Inverter Compression 

(b) Refanout of inverter 

Figure 5.7: Examples of structure transformations 

1. Inverter compression: Given a gate g. if the inverted gate of g, g is also in the 

library and g is connected to a single inverter, the gate g and the inverter are 

replaced by the single gate g. See Figure 5.7(a). 

2. Inverter removal: This removes two inverters connected in a row. 

3. Refanout of inverter/buffer: This reduces the number of inverters or buffers by 

re-arranging the inverters/buffers at fanout branches (See Figure 5.7(b)). 

There are several exceptions to the above structural transformations. For example, 

to maintain proper drive capability, compression of output buffers/inverters is not 

done. Additionally, it is assumed that clock trees have already been carefully designed 

and any changes to them axe forbidden. 
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5.2.6 Enhancements to Single-Source Implication 

The result after single source implication is a set of logic gates (targets) which are 

unobservable. However, not all the logic gates will be good candidates for the target 

connection. The following rules are incorporated in the single source implication 

procedure. 

1. If a chain of unobservable gates is found, only the gate at the start of the chain 

(closest to the primary inputs) is selected as the target gate. This is because 

ajiy reduction in the switching activity may be propagated aiong the chain. 

This will tend to reduce the need for additional connections. 

2. .A. threshold on the difference between the level of the source and target gate 

is included to control the increase in the number of levels. This corresponds to 

the loose timing constraints described in Section 5.3.2. 

3. Selecting a source gate based solely on it switching activity often results in 

an unacceptably large increase in the delay. For this reason, gates axe first 

sorted by their level and within each level, they are sorted in increasing order 

of switching activity. The source gate selection proceeds level by level. This 

results in a much smaller delay penalty. 
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5.2.7 Enhancements to Multiple-Source Implication 

Multiple source implication results in the addition of redundant logic. The com

plexity of this logic is determined by the size of the cover of the implication sets. 

The size of the minimum covering represents the minimum number of inputs of the 

new gate whose output will be then connected to the target gate. Recall that all the 

elements of the minimum size cover are the gates with low signal activities, because 

they are obtained during the single source implication step. However, the individual 

low activity gates may result in a high activity signal at the output of the added 

gate. This tends to get worse with the increasing size of the cover. For this reason, 

the backward propagation of unobservabilities takes place only for gates with fewer 

than a given number (user specified) of fanouts. In the experiments reported in this 

paper, this number was set to 5. .A.s a result, the set covering problem can be solved 

exactly. 

5.3 Power and Delay Trade-Offs 

The biggest concern regarding logic re-synthesis for low power after technology 

mapping may be its effect on circuit performance or delay. The availability of accurate 

timing and delay models for technology mapped circuits, makes it possible to caxry 

out effective power delay trade-offs. In this section, two alternate ways of carrying out 

power-delay trade-offs are described. The first involves performing the power-delay 
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analysis during each transformation, while the second carries out the analysis after 

all the transformations have been incorporated. A comparison of the two approaches 

is given in Section 5.4. 

5.3.1 Approach I: Power Delay Trade-ofFs During Transformations 

A greedy approach is perhaps the simplest way to carry out a power versus de

lay analysis. This approach checks whether each candidate connection violates any 

specified delay constraints. One advantage of this approach is that it will guarantee 

that the transformed circuit satisfies the delay constraints. However, it has a few 

disadvantages. 

1. The computation time is very high. Although each single transformation is 

local, its effect on timing may be global. Therefore in the worst case, the static 

timing analysis of the entire circuit will be required every time a candidate 

connection is considered. 

2. The greedy approach may prevent the applicability of other useful transforma

tions. Therefore, it will often get stuck at a locally good solution. 

3. The finaJ solution is very sensitive to the order in which connections are added. 
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5.3.2 Approach II: Power Delay Trade-ofFs After Transformations 

This approach consists of adding all the candidate connections at the seime time, 

followed by a detailed timing analysis and adjustment step. The timing adjust

ment consists of both timing optimization (e.g. buffer insertion [SKEM96]. wire 

sizing [LCL95] and gate sizing [Cou96|) as well as selective removal of the redundant 

connections that are added to reduce the power consumption. 

This approach hais a number of advajitages over the other. 

1. It often escapes from a local optimal solution. For example, the addition of a 

connection may violate the timing constraints, but this addition may result in 

other connections becoming redundant, whose removaJ results in a decrease in 

power consumption and/or decrease in the delay of the circuit. 

2. Separating the transformation and timing analysis makes the whole process 

very efficient. The timing analysis needs only to be performed during the final 

delay optimization phase, instead of doing so after each candidate connection 

is added to the circuit. 

3. The accuracy of the power-delay tradeoff depends strongly on the underlying 

timing model in use. Since the timing analysis is not performed too often, a 

very accurate timing model (e.g., a model that considers false paths) can be 
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used. .A.S a result, a more efficient and accurate tradeoff analysis between power 

and delay is achieved. 

The only drawback of this approach is that if the original circuit is drastically 

changed, then it may not be possible to satisfy the timing constraints by delav op

timization or by removing some of the candidate connections. However, a practical 

approach to circumvent this problem is to first perform the transformations subject 

to very loose timing constraints, e.g. a limit on the increase in the number of levels 

of the circuit. This will keep most of the cheinges in the circuit local and therefore 

less significajit changes over the whole circuit structure. Following this, power-delay 

tradeoffs with much more stringent timing constraints can be performed. The exper

imental results have demonstrated the effectiveness of this approach. 

5.4 Experiments on MCNC Benchmark Circuits 

5.4.1 Experiment Setup 

The techniques presented in this paper were executed on a Sparc4. The starting 

point weis a technology mapped circtiit using the mcnc.genlib library option of the SIS 

package [Sea92] which is optimized for timing. To obtain more potential candidates 

for adding connections, only 2-input NAND/NOR gates and inverters were used to 

build the network. The procedures described in this paper were tested on a number 
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of commonly used benchmaxk circuits. Table 5.1 provides information about each 

circuit. The circuit sizes range from a few gates to two thousand gates. 

The power consumption was computed using Equation 2.2. The switching activity 

for each node in a circuit was estimated by the use of logic simulation ^ . The load 

capacitances were obtained from the library mcnc.genlib. The input vectors were 

generated as follows. First, for each primary input, a random signal probability value 

is generated. Then an independent pseudo-random binary waveform with length of 

2000 for each input with the given signal probability is generated. Finally, the A and 

parameters for each primary input axe estimated from the binary sequence. This 

constitutes one set of experimental input vectors. For each circuit, 10 such sets of 

data are generated, i.e. for each circuit ten experiments with different random input 

patterns were performed. The area of the circuit was computed as the sum of gate 

area values provided by the library. The delay of the circuit was taken to be the 

maximum of the arrival times taken over ail primary outputs. This was obtained 

by static topological timing analysis, see Chapter 2.4 for details. The information 

required for gate delay computation was aJso taken from the library. 

^The signal parameters A eind pi were computed and used only during transformations. Therefore 
the switching activities used to estimate the power were the exact values for the given data set under 
the zero delay model. 
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Circuit Pis POs Gates 
cml38a 6 8 44 
cmSSa 11 3 70 
cu 14 11 64 
daiu 75 16 1152 
duke2 22 29 578 
frg2 143 139 1054 
k2 45 42 1472 
misex2 25 18 139 
misex3 14 14 824 
mux 21 1 63 
pair 173 1.37 1967 
pclerS 27 17 125 
pml 16 13 69 
rot 135 103 814 
sao2 10 4 162 
t481 16 1 959 
terml 34 10 202 
vda 17 37 824 
xl 51 35 418 
x3 135 99 979 

AVG 55.6 41.3 644.3 

Table 5.1: Circuit information of the MCNC benchmarks. 

5.4.2 Experimental Results on MCNC Circuits (I) 

In this set of experiments, the timing analysis for carrying out the power-delay 

tradeoffs was performed after all the transformations, i.e. the power-delay tradeoff 

approach II described in Section 5.3.2. To examine the efficacy of this approach, ten 

experiments, each subjected to three different timing constraints, were conducted. 

The first, referred to as loose timing constraints, imposed a limit on the increase in 
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the number of levels allowed as a result of the transformation. In the experiment, the 

limit was set to be three to five depended on the size and depth of the circuit. The 

second and third constraints imposed a limit of 5% and 1% increase on the delay of 

the transformed circuit. The results of all these were shown in Tables 5.2 and 5.3. 

In Table 5.2. the average power over the ten experiments for each circuit were 

shown. The overedl average power reduction is about 13.7% with a 8.8% increase in 

delay under the loose delay constraint. When a limit of o% increase in delay was 

imposed on the transformed circuit, and power was traded off for delay, a 12.1% 

reduction in power with only 1.79% increase in delay and a 3.10% increase in axea 

was obtained. When a limit of 1% was imposed on the increase in delay, an average 

0.9% increase in delay, and a 2.9% increase in area with a 11.6% reduction in power 

was obtained. These results clearly demonstrate the significance of the proposed 

power-delay tradeoff approach. While the increase in delay was reduced from 8.8% 

to 0.9% on the average, the reduction in power changed only from 13.7% to 11.6%. 
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D.I=% increase in delay. A.I=% increase in area, P.D=% decrease in switching ac
tivity 

Circuit o Delay 5% Delay 1% Delay CPU 
Constrednt Constraint Constraint 

D.I A.I P.D D.I A.I P-D D.I A-I P.D 
cm 138a 2.28 6.72 20.18 2.28 6.72 20.18 2-28 6.72 20.18 2 
cm85a 1.73 4.73 17.02 1.55 3-64 17.16 0-93 3.36 16.64 2 
cu 22.66 10.3 28.07 3.63 1.82 22-16 -0.6 0.53 17.23 4 
daJu 10.07 9.2 11.84 2.3 3.35 9-57 1.95 3.34 9.56 103 
duke2 4.58 6.33 21.1 1.53 3.54 18-01 0.5 3.46 18.04 75 
frg2 8.82 5 23.54 2.59 4 23-15 1.94 4 23.13 95 
k2 3.7 4.1 11.27 0.34 2.27 10.57 0.34 2.27 10.57 429 
misex2 4.15 7.82 14.67 -2.76 3.1 13.55 -3.2 3.05 13-49 9 
misex3 9.79 6.63 8.97 0.79 3.29 7-67 0.02 3.25 6-56 95.8 
mux 5.87 4.29 12.6 0 1.24 4.93 0 1.24 4.93 2 
pair 2.59 1.29 2.43 1.01 0.67 2.34 0.35 0.49 2.33 138 
pcler8 5.52 7.65 14.77 3.01 6.94 14.58 3.01 6.94 14.58 7 
pml 8.38 4.85 10.25 1.02 0.69 9.51 0.37 0.4 9.69 3 
rot 2.95 1.78 3.43 1.89 1.09 3.26 0-14 0.97 3.13 38 
sao2 5.7 5.79 11.57 0.83 3.48 10.77 0-03 3.3 10.64 8 
t481 11.91 4-07 8.41 3.01 2.21 7.12 0.75 2.11 6.49 142 
terml 19.67 9.82 26.86 31.4 7.31 21.27 0.11 6.92 19.79 9 
vda 2.76 1.22 4.42 0.27 0.79 4.28 0.27 0.79 4.28 104 
xl 14.08 5.14 10.3 3.02 2.59 9.25 2.36 2.51 9.14 22 
x3 29.1 5-25 12.99 6-26 3.27 12.22 5-85 3-26 12.21 48 
AVG 8.82 5.6 13.73 1.79 3.1 12.08 0.87 2.95 11-63 65 

Table 5.2: Summary of the average power reduction for combinational circuits from 
the MCNC benchmark suites. 

Table 5.3 shows the maximum power reduction over the ten experiments. Again 

the significance of trading off power and delay was demonstrated. An average of 

38.3% maximum reduction in power was achieved with a 15.4% increase in delay 

under the loose timing constraint. After carrying out the power-delay tradeoff, a 

31% reduction in power reduction with a 0.2% increase in delay is achieved. Among 
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all the experiments, the best case was a 67% reduction in power with a 3.9% decTcase 

in delay. This improvement in the delay was due to the addition and deletion of the 

redundant connections. 

D.I = % increase in delay, A.I = % increase in area (gates), P.D = % decrease in 
switching activity 

Circuit ]> 'io Delay 5% Delay 1% Delay CPU 
Constraint Constraint Constraint 

D.I A.I P.D D.I A.I P.D D.I A.I P.D 
cm 138a -3.91 9.38 67.43 -3.91 9.38 67.43 -3.91 9.38 67.43 3 
cm85a -1.22 8.18 66.88 -1.22 8.18 66.88 -1.22 8.18 66.88 3 
cu 37.79 17.42 74.1 4.5 5.3 58.5 0 3.03 37.35 4 
dalu 7.71 10.58 21.02 1.79 4.04 20.54 1.79 4.04 20.54 107 
duke2 7.3 16.46 53.89 1.17 6.12 51 0.37 6.01 50.76 84 
frg2 13 10.79 55.98 4.8 9.51 52.98 3.2 9.45 52.97 105 
k2 0.35 3.7 20.1 0.35 3.7 20.1 0.35 3.7 20.1 428 
misex2 11.32 7.41 23.99 -7.27 3.7 21.83 -7.27 3.7 21.83 10 
misexS 27.74 14.95 29.28 4.6 7.33 23.62 0 7.11 22.92 120 
mux 28.34 19.05 54.26 0 3.81 8.7 0 3.81 8.7 5 
pair 13.28 1.96 4.33 3.61 1.14 3.84 0 0.98 3.63 135 
pclerS 13.64 20.92 60.32 10.23 20.41 59.23 10.23 20.41 59.23 8 
pml 14.08 10.89 19.91 0 2.97 16.56 0 2.97 16.56 3 
rot 5.48 21.3 5.61 2.84 1.29 5 -1.43 1.22 4.96 47 
sao2 10.11 18.32 45.22 4.04 17.22 40.87 0 16.48 39.88 9 
t481 35.39 13.46 27.21 4.96 3.03 11.96 0.65 2.9 11.74 167 
terml 27.36 16.92 57.55 3.42 13.29 40.77 0.85 12.99 40.77 8 
vda 0 1.49 7.94 0 1.49 7.94 0 1.49 7.94 116 
xl 17.98 12.63 16.57 1.38 3.91 14.68 1.38 3.91 14.68 31 
x3 42.7 15.33 53.66 1.66 11.98 52.87 -0.48 11.92 52.87 81 
AVG 15.42 11.6 38.26 1.85 6.89 32.27 0.23 6.68 31.09 74 

Table 5.3: Summary of the maximum power reduction for combinational circuits 
from the MCNC benchmark suites. 

Note that in both tables, there were results where the timing constraints were 

not satisfied. In this experiment, only the removal of redundajit connections was 
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considered as a means of trading off power for delay. Many other transformations can 

also be incorporated to satisfy the time constraints. Furthermore, in all cases, power 

reduction was achieved at the expense of area. This again shows that the traditional 

minimization for area will not necessarily result in a circuit with minimum power. 

Finally, the delay information was obtained by performing static timing analysis 

which does not account for false paths. Therefore the actual delay may be less than 

the values shown in the tables. 

5.4.3 Experimental Results on MCNC Circuits (II) 

In this set of experiments, the timing analysis and adjustment are performed after 

each transformation, i.e. using the power delay tradeoff approach I described in 

Section 5.3.1. This was done to compare the two different approaches to performing 

the power-delay tradeoffs. 

Figure 5.8 shows the results of the two different power delay trade-off approaches. 

A constraint of o% on the increcise in delay was imposed. Figure 5.8 shows that in 

most cases a better result in terms of power reduction was obtained by carrying out 

the timing analysis and adjustment after all the transformations. In addition, the 

delay penalty by performing the timing analysis afterwards was only slightly higher 

than if it was carried out at every step. Figure 5.9 also shows the CPU time for the 

two different approaches. .As expected, the post-transformation approach was much 

(three times) faster. 
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Figure 5.8: Compaxison of two power delay trade-off approaches for average power 
and delay changes under 5% delay increase constraint. (The numbers shown in the 
plot were the number of gates in each circuit.) 

5.5 Experiments on the PowerPC Circuits 

The experiments described in the previous section involved the use of randomly 

generated data and a crude power estimation method based on a zero delay model. 

In this section, we present the results of experiments that were carried out on sev

eral commercial VLSI CMOS circuits using customer provided input waveforms. In 
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Figure 5.9: Compaxison of the CPU time for carrying out the two power delay trade
off approaches. 

addition, PowerMill, a popular commercial program for estimating the power con

sumption, which employs an accurate delay model, was used to evaluate the proposed 

methods. 
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Figure 5.10: Experiment procedures for PowerPC circuits. 

5.5.1 Experiment Setup 

Figure 5.10 shows the sequence of steps involved in these set of experiments. The 

software for performing the transformations is written in Smalltalk and executed on a 

62MHz IBM 580 workstation with 256M memory. Given the netlist file and switching 

information for all the the internal gates, the logic and structure transformations axe 

performed. The output of the transformation step was a new netlist file which was 

then fed as input to the timing and power estimation tools. The configuration of the 

PowerMill was set to employ an accurate delay model, which was very simileir to the 

one used in HSPICE. The timing tool performs gate sizing for delay optimization. It 

was assumed that the original circuit satisfies the timing constraints. The worst-case 
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delay of the original circuit is used as the target delay by the gate sizing procedures, 

i.e.. the maximum delay of the transformed circuit should be the same as that of the 

original circuit. 

Four RLMs (Reindom Logic Modules) were chosen from the PowerPC .Arthurl.O 

microprocessor chip. The .A.rthurl.O chip was designed for laptop PCs with a clock 

speed of 200MHz. Three benchmark programs (caJled flops20. hanoi, and art_smoke) 

for the Arthurl.O chip are used to generate the test data. The same three benchmark 

programs were used by the circuit designers to estimate the power consumption of 

the Arthurl.O chip. Each benchmark progreim was executed for 3000 clock cycles 

to generate the switching data. A logic simulation program wcis used to obteiin 

information about the switching activity for each net in the circuit. Since each 

RLM was a sequential circuit with latches and flip-flops, the largest combinational 

subcircuits from the four RLMs were extracted from the originai circuits for the 

experiments. These subcircuits will be referred as test circuits or simply circuits in 

the rest of the section. 
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Circuit Pis POs Gates Wires % o f  .A.verage Switching .\ctivity 
in the RLM flops20 hanoi axt_smoke 

cbb_sub3 446 636 2710 6587 85.4% 4.05% 3.55% 2.45% 
cccjsub3 352 646 2246 5837 64.5% 0.48% 4.50% 3.27% 
cdcjsubl 402 613 3692 9461 89.3% 5.27% 0.46% 4.54% 
las_subl 507 869 3937 9500 88.6% 4.18% 2.94% 1.80% 

Table 5.4: Statistics of PowerPC circuits. 

The characteristics for each test circuit were shown in the Table 5.4. The first 

column lists the name of the combinational circuits. The sixth column shows the 

size of the combinational subcircuit as a percentage of the size of the corresponding 

RLM. For example in terms of the number of cells, the circuit cbh^ubZ consists of 

about 85% of the whole RXM. The table shows that the combinationaJ subcircuits 

constitute the major portion of each RLM. The last three columns show the measured 

average switching activity per gate for each of the three benchmark programs. For 

example, for the circuit cbb^ubS, the average switching activity per gate under test 

case labeled flopsSO was 4.05%. This means that on the average, each gate transitions 

4 times in 100 clock cycles. This implies that these test circuits may have already been 

optimized for power using existing techniques. Consequently, it was interesting to 

see if the proposed new methods can further improve the design in terms of switching 

power reduction. 
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PBT = Power Before Transformation, DBT = Delay Before Transformation, 
PDOGS = Power Decrease without Gate Sizing, 
DIOGS = Delay Increase without Gate Sizing, 
PDWGS = Power Decrease with Gate Sizing, 
DIWGS = Delay Increase with Gate Sizing, 
PRG = Percentage of Resized Gates 
WD = Wire-count Decrezise (in percentage). 

Before .•Vfter 
Transformations Transformations 

Bench Cir PBT DBT PDOGS DIOGS WD PDWGS DIWGS PRG 
marks cuits (mW) (ns) (%) (%)  (%)  (%)  { % )  (%)  

ebb 20.183 4.54 12.3 58.6 -1.12 12.6 0.0 1.0 
ccc 28.675 4.43 12.6 42.9 -2.09 12.8 0.0 12.3 

flops20 cdc 32.325 4.69 9.80 66.7 -0.07 9.0 0.0 6.2 
las 25.848 4.69 17.8 88.1 -0.41 14.4 3.2 10.4 
ebb 15.528 4.54 10.4 78.0 -1.23 10.3 -1.3 1.2 
ccc 26.611 4.43 12.7 42.7 -2.23 18.5 -1.3 3.5 

hanoi cdc 32.833 4.69 0.90 66.7 -0.49 1.1 -0.8 4.1 
las 17.260 4.69 22.7 81.2 -1.04 21.0 2.8 5.3 
ebb 13.313 4.54 17.7 63.4 -1.85 17.8 -3.5 1.0 
ccc 16.585 4.43 8.70 42.4 -2J6 7.5 0.0 2.2 

art .smoke cdc 26.935 4.69 5.00 103 -0.75 1.7 0.0 7.1 
Us 8.968 4.69 12.2 52.5 -0.84 9.1 0.0 7.8 

Average 22.088 4.59 11.9 65.5 -1.2 11.3 -0.9 5.2 

Table o.o; Average power and delay before and after transformations for PowerPC 
circuits. To save space, only prefixes of the full circuits names in Table 5.4 are used. 

5.5.2 Experimental Results 

Table 5.5 shows the average power and delay of the circuits before and after 

transformations, and with and without gate sizing. The third and fourth columns 

give the average power and the delay of the circuits before transformation. The fifth 

and sixth columns show the average power reduction and the delay increase after 

the transformations without the delay optimization. The seventh column of labeled 

WD indicates the decrease of the total number of connections in percentage after the 

transformations. This number was used as a very crude indictor of the change in 
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the circuit area. The eighth and ninth columns show the average power reduction 

and the delay increase of the transformed circuits after delay optimization using gate 

sizing. The last column shows the number of gates that were re-sized eis a percentage 

of the totaJ number of gates. 

The best result was a 21% average power reduction with a 3% increase in delay. 

Note that without gate sizing, the increase in delay is significant. A closer examina

tion of the circuits showed several causes for this increase in delay: (1) the increased 

fanouts of the source gate; (2) new connections were on the critical path; (3) not 

selecting an appropriate gate implementation (gate size) whenever a new gate was 

added. For these reasons, the sizes of the gates on the critical path that had rela

tively low activity were increased. This would be expected to diminish the power 

reductions obtained as a result of the transformations. This was generally the case. 

However, in some cases, the power reduction actually increased after re-sizing the 

gates on the critical path. This was due to the reduced number of glitches in the 

circuit. Figure 5.11 shows the average power reduction and delay chcinges for each 

circuit under the three different test cases. On the average, a 11.3% average power 

reduction with no delay increase was obtained. Table 5.6 aJso shows the effect of the 

transformations on the peak power. Among all the experiments, the best case was 

27.7% peak power reduction with no increase in delay. 



90 

PBT = Power Before Transformation, DBT = Delay Before Transformation. 
PDOGS = Power Decrease without Gate Sizing, 
PDWGS = Power Decrease with Gate Sizing, 

Benchmarks Circuits PBT PDOGS PDWGS 
(mW) (%) {%) 

cbb_sub3 368.173 13.6 13.4 
ccc_sub3 352.138 15.4 11.5 

flops20 cdc_subl 619.565 9.5 8.9 
las_subl 353.793 16.4 5.0 
cbb_sub3 350.095 6.5 2.7 
cccjsubS 387.220 25.0 18.4 

hanoi cdc_subl 758.580 2.9 2.2 
lasjsubl 311.180 29.6 26.6 
cbb_sub3 302.655 30.3 27.7 
cccjsub3 345.643 18.4 14.5 

axt_smoke cdc_subl 709.293 4.2 -0.1 
la^^ubl 193.610 5.2 -7.4 

.Average 420.995 14.8 10.3 

Table 5.6: Peeik power before and after transformations for PowerPC circuits. 

5.5.3 Effectiveness of Power Delay Trade-offs 

The experiments on the PowerPC and the MCNC benchmark circuits showed a 

consistent pattern - the reduction in power was not significantly chajiged by carry

ing out post-transformation delay optimization. From Table 5.5, the average power 

reduction before and after performing delay optimization was 11.9% and 11.3%, re

spectively, which was a change of just 0.6%. However, the delay improved signifi

cantly, from an average increase of 65.5% before delay optimization to an average 

decrease of 0.9%, after delay optimization. Similar results hold for the chajiges in 

the peak power Note that in the experiments described here, only sizing of gates is 
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Figiire 5.11: The average of average power reduction for each PowerPC circuit under 
three test ca^es. 

performed to improve the delay. .Additional improvements were possible through the 

use of different delay optimization techniques. 

5.5.3.1 Impacts of Test Cases 

The technique for reducing power dissipation described in this chapter is bcised 

on reducing the switching activity in the circuit. The amount of switching activity 

reduction clearly depends on the particular set of input patterns that were used. 
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Figure 5.12: Impact of different test cases on the quality of the transformed PowerPC 
circuits. 

These different sets of input patterns will result in functionally equivadent but struc-

tiu-ally different circuits after applying the rewiring algorithms. A natural question 

to ask is "which circuit should a designer use?". There axe severai possible answers. 

One option is for the designer to generate one laxge test set which represents several 

typical patterns that might be seen in practice. This is relatively easy to do since 

designers often apply complex benchmark programs to evaluate the performance of 

the system. An alternative is to generate several test sets for one design, with each 

test set being targeted for different objectives.For example, one test set may be used 
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to simulate a maximum peaJc power consumption of a circuit: another test set may 

represent the most frequently occurring patterns. The designer can now select one 

set depending on either the peak power or the average power, whichever one has the 

higher priority. For example, in our experiments, if we want to reduce the average 

power of the PowerPC chip ajid we know the test case hanoi represents the most 

common situations, we can taice hanoi as our benchmark. From the Figure 5.12 we 

can see a 12.7% average power reduction can be achieved over all circuits by using 

test case hanoi as the benchmark. 

5.5.3.2 Random vs. Real Input Patterns 

For each combinational circuit shown in the Table 5.4, we also carry out experi

ments under three sets of randomly generated input waveforms. The data weis ob

tained in a manner similar to the one described in Section 5.4.1. The input waveforms 

obtained in this manner were temporally and spaciaily independent. The purpose 

of this experiment was to compaxe the experimental results (using random input 

waveforms) with the results using real input waveforms. For simplicity, we observed 

only switching activity in the circuit axid the number of logic transformations that 

could be applied for the two types of input waveforms. The two comparisons gave us 

indication of the possible differences between random and real input patterns. 

The results were shown in Tables 5.7 and 5.8. In both tables, columns two to 

four show the distribution of switching activity for all the gates in the circuit. At the 
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Switching Activity Distributions 
[0.0.15] (0.15,0.25) [0.25,1] SWPG ATA 

ebb 92% 6% 2% 0.034 134 
ccc 88% 10% 2% 0.044 116 
cdc 88% 11% 1% 0.051 271 
las 93% 5% 2% 0.030 212 

Table 5.7; Statistics of PowerPC circuits under real input patterns. 

Switching Activity Distributions 
[0.0.15] (0.15,0.25) [0.25.1] SWPG ATA 

ebb 45% 9% 46% 0.221 244 
ccc 50% 7% 43% 0.209 208 
cdc 54% 7% 39% 0.185 287 
las 40% 9% 51% 0.240 427 

Table 5.8: Statistics of PowerPC circuits under random input patterns. 

top of the columns, the intervals indicate the range of the average switching activity 

E{i) at a gate. The percentages in the rest of the coltunns show the number of gates, 

whose average switching activity is within the above interval, as a percentage of the 

total number of gates. For example, for the circuit cbb^ubZ under the real input 

patterns, 92% of the gates have an average switching activity less then 0.15. The 

fifth column shows the switching activity per gate (SWPG) of the circuit and the last 

column (ATA) was the average number of logic transformations that can be applied 

to the circuit. All the data shown in the tables were the average values over three 

sets of input waveforms for both reai and random inputs. 
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Severai observations can be made from these tables. First, the average switching 

activity per gate for random waveforms was much larger than that of real input 

waveforms. This can aJso be seen from the distribution of the switching activity of 

the circuit. If we assume that a switching activity of less thcin 0.15 to be the low 

switching activity threshold ajid the switching activity greater that 0.25 as the high 

switching activity threshold, for the random input waveforms, the number of high axid 

low switching activity gates were almost the same: but for the real input waveforms, 

the distribution of the switching activity was highly skewed to low switching activities. 

Recall that, in our logic transformations, we will add a redundant connection from a 

low switching gate to a high switching gate. As a result, the circuit under the random 

input waveforms will have more potential connections can be added to the circuit to 

reduce the power consimiption. From the tables, we can see that, in the average, 

by using the random input waveforms, we have about 59% more connections added 

to the circuits than using the reai input waveforms. Therefore we caji expect that 

by using the random input waveforms in the experiments, we will obtain a higher 

power reduction than the results shown in the Chapter 5.5.2. In the other words, 

during re-synthesis for low power, the achievements in power reduction exhibited 

from the experiments using random inputs may be over optimistic when compared to 

the actual achievements using real input patterns by applying the same techniques. 
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5.6 Appendix I 

Lemma 5.1 After implication of a logic value at a source gate g^, and u-propagation, 

the gates in the set S^. which are not in the fanin cone of g^ are unobservable. 

P r o o f :  L e t  i  b e  a  g a t e  i n  S ^ -  T h e n  t h e r e  m u s t  e x i s t  a t  l e c i s t  o n e  p a t h  b e t w e e n  g a t e  i  

ajid some gate j 6 This is because gate i was labeled u as a result of some gate 

j having a controlling vaJue on its input. This would have resulted in gate j having a 

logic value as a result of the implication on gs- Hence j G Let Cj and qj denote 

the controlling value and inversion value of gate j, respectively. 

Case 1: There is a unique path P from i to j. This situation is depicted 

in Figure 5.13(a). Without loss of generaiity, assume j is the first gate on P that 

belongs to 5v.u- Let i' be the leist gate on P that belongs to 5u. There are two 

possible situations to consider. 

1. Gate j is labeled by {u}. Then v = qj @Cj, since j has a controlling value on 

one of its inputs. The input with a controlling value must be one other than 

otherwise i' would not have been labeled u. This makes i' unobservable. Since 

there is a unique path between i ajid i'. i is unobservable. 

2. Gate j  is labeled by { v . u } .  .A.s indicated above, v  =  q j  @  C j .  There axe 

two possible reasons why gate i' was labeled u. First, at least one input of 

j is the controlling value. This input can not be z', otherwise i' can not be 
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labeled u. Therefore i' is labeled u because of the controlling value on the other 

inputs of the gate j. In this case, gate i' is unobservable. and so is gate i. 

Alternatively, no input of gate j has the controlling value and i' is labeled u 

due to gate j being labeled by u. This can only happen when the value of gate 

j is implied backward from the source gate QS. otherwise i' heis to be maxked 

the non-controlling value of j which is contradicts to i' is only marked by u. 

This backward implication can occur only if gate j is in the fanin cone of gate 

gs- This contradicts our assumption that gate i is not in the fanin cone of g,. 

Csise 2: There are multiple paths from i to j: This situation is depicted in 

the Figure 0.13(b). Let Pi, - • • .Pk be the paths from gate i to gate j. Let i' be the 

gate in such that the subpath from i to i' is common to all the paths Pj, • • •. Pk, 

and i' is the last such gate in each path. In each path Pr. for 1 < r < A:, let 

and jr be the last ajid first gates, such that 6 and jr € As in Case 1 

above, consider the connection from to jt. This connection is maxked u due to 

one or more inputs of jt having the controlling value of gate jt. The input cannot 

be an input with the controlling value since it belongs to 5u. Therefore, one or 

more of the inputs to each of j\,j2, • • • ,iit, other than those in (i'^, i'2, • • •, i'k) must 

have a controlling value. Hence, each of the gates in ij, • • •, i'k) is unobservable. 

Consequently, i' is unobservable, which implies that i is unobservable. • 
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Figure 5.13: Nodes in 5u and not in the fanin cone of gs are unobservable. 

Theorem 5.1 Let TFO{g) and TFI{g) denote the transitive fanout and fanin cones 

of a gat e  g .  L e t  g i  a n d  g j  b e  t w o  l o g i c  g a t e s  a n d  C j  b e  t h e  c o n t r o l l i n g  v a l u e  o f  g a t e  g j .  

If 9i = for V E {0,1}, implies that gj is unobservable. where gj ^ TFI(gi), and 

V = Cj {cj) then the non-inverted (inverted) connection from gi to gj is redundant. 

Proof: The addition of a connection from gi to gj will not result in a cycle since 

gj 0 TFI{gi). Consider the case v = Cj (cj) eind an non-inverted(inverted) connection 

is added from gi to gj. To test the fault s — a — v{v) at the output of gi, a test must 

result in a value v at the output of gate gi. Additionally the gate gj is the only gate 

to propagate this fault to the primary output. However, since gi = v implies gj to be 
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unobservable. the given fault is untestable. Therefore, the connection from gi to g^ 

is redundant. • 

Lemma 5.2 Let A'n = Yn = {j/i} and = {-j} be binary sequences of length n. 

with Zn = -Yn + Vn. Let T{Xn) denote the number of transitions on a binary sequence 

A n .  I f X r  =  1  — ^  y z  =  V  { v  e  0 .  1 ) ,  t h e n  T { Y n )  -  T { Z n )  <  T { X n )  

Proof: (By Induction) 

Base case of n = 2: There are two possibilities. 

Case 1: T{X2) = 1- Since T{Y2) < 1 and T{Z-2) < 1. T{Y2) - TiZ^) < 1. i.e. T{Y2) -

T ( Z 2 } <  T ( X 2 ) .  

Case 2: ^(Ao) = 0. In this case, the sequence X2 can be either all Os or Is. 

Case 2.1: if A'2 =0 0, then Z2 = Y2 because Z2 = X2 + Y2- That is T{Y2) — T{Z2) = 0 

which is the same as T(A2). 

Case 2.2: if X2 = 11, then Y2 = v v because x, = 1 —>• y, = u (u € 0,1). Therefore 

TiYz) = 0 and T{Y2)-TiZ2) = 6-^(^2) < 0. So T{Yr.)-T{Z^) < r(A„). 

Case of arbitrary n: Assume that the statement is true for n = k, cind consider 

the case of n = A: + 1. Note that T{Xk+i) — T{Xk) + T{xk Xit+i) Therefore 

= ir(n) + T(m swi)l - I T ( Z , )  +  n z k  ZH,)] 
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=  [ T { Y k )  -  T { Z k ) ]  +  [ T i v k  y f c + i )  -  r ( r ,  

By the induction hypothesis. 

T i Y k + i )  —  T { Z k + i )  <  T { X k )  +  [ T { y k  y k + i )  —  T { z k  Z k + i ) ]  

Case I: T { x k  X k + i )  = 1. Since T { y k  y k + i )  -  T { z k  z k + \ )  <  I- T[Y'k+i) - T{Zk+\) < 

T{Xk)  + T{xk  Xfc+i)  =  

Case 2: T {xk Xk+i) = 0- Thus T { X k )  =  T { X k + i ) .  

Case 2.1: if Xk Xk+i =0 0, then yk yk+i = -fc+i- Therefore T{Yk+i) - T{Zk+i) < 

T { X k )  +  [ T { y k  y k + i )  -  T { z k  z k ^ i ) ]  <  T { X k )  =  T { X k ^ , ) .  

Case 2.2: if Xk Xk+i = 1 1- then yk yk+i = u v.v € {0,1}. That is T { y k  y k + i )  = 0. 

Therefore T { Y k + i )  -  T { Z k + i )  <  T { X k )  +  [ T { y k  y k + i )  -  T { z k  ^t+i)] <  

T [ X k )  -  T { z k  z k + x )  <  T { X k )  =  T { X k + , ) .  

• 

Theorem 5.2 Let gt be a target gate with fanout r and C = , .... g^^'} be a 

c o v e r  o f  the sets higt)-, •••t Ir{gt)- Let g' be a gate such that: (1) g'^^, ...,g\^ are 

its inputs, where g[^ = ui7 © 9ik^ fork = j, (2) If gt is an (AND or 

NAND)/(OR or NOR) gate, g' is an NAND/AND gate. Then the connection from 

g* to gt is redundant. 
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Proof: As a result of performing logic implication and u-propagation from each 

gate in C. all the fanout brajiches of gt will be marked with a u. According to 

Lemma 5.1. gate gt is unobservable as a result of these the implications. Now consider 

the connection £ from g' to g^ Without loss of generality, assume that gt is .\ND 

or NAND gate. Then g' is an NAND gate. .A. test for is — a — I must result in 

a 0 at the output of g'. This implies that ail the inputs of g' have a value 1. i.e.. 

= 1. for 1 < ^ < r. This implies that However, if = gi^, then 

gt is unobservable. Since the fault £s — a — 1 can only propagated through gt- it is 

untestable. Therefore the connection i is redimdant. • 
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CHAPTER 6 

Sequential Rewiring for Low Power 

6.1 Introduction 

The combinational rewiring techniques for power reduction described in Chapter 5 

can indeed be applied to sequential circuits by simply applying them to the blocks of 

combinationed logic between the latches. However, this is not very effective for high 

performance systems that typically have highly pipelined, latch-intensive circuits, 

with only small subcircuits of combinational logic between latches. For sequential 

circuits, the analysis for rewiring must cross latch boundaries. 

In this chapter we present a new technique for reducing the power dissipation in 

synchronous sequential logic circuits. In our model of sequential circuits, no globai 

reset line is assumed ^ . The method to be described is bcised on extending the 

implication based rewiring techniques for combinationzd circuits to be applicable to 

sequential circuits. We will refer to this as Sequential Rewiring (SR). 

It is important to note that SR is considerably more diflScult than its combina

tional coimterpart. The reason for this is that in a sequential circuit an untestable 

^The reason that many practical designs do not have global resets was well explained in [SPAB95]. 
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fault is not necessarily redundaint [AB79]. Consequently, the redundancy identifica

tion in sequential circuits is a much more difficult problem than for combinational 

circuits, especially when some latches do not have global reset lines. The work de

scribed in [EC93] was perhaps the first attempt to apply the rewiring technique for 

minimizing the area of sequential circuits. However it weis shown in [IL.A961 that the 

transformations described in [EC93] would not result in a safe replacement [SP94] of 

the original circuit. Simply stated, a replacement of a circuit is said to be safe, if the 

external environment cannot distinguish between the original ajid the replacement 

by only observing the input and output behavior [SP94]. This property is clearly 

important to satisfy, especially when there are no global reset lines. 

.A.n important contribution of this chapter is that SR technique described here will 

result in an delay safe replacement [SP94] of the original design, and one which will 

dissipate less switching power than the original circuit. As in the previous chapter, 

the two terms power and switching power are used interchangeablely in the rest of 

this chapter. The proposed method for minimizing power in a sequential circuit 

is different from the work of [MDG93] since it involves logic transformations that 

cross the latch boundaries. It is also different from some previously published work 

on sequential optimization for area, e.g. [SPRB95, PSAB94], which axe based on 

the manipulation of state transition graphs (STG) using Binaxy Decision Diagram 

(BDD). BDDs can become very large as the number of states increases exponentially 
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with the number of latches in the circuit. Consequently, these methods are only 

applicable to sequential circuits with a relatively small number of latches. On the 

other hand, our method is based entirely on implication analysis. .A.s a result, the 

average time complexity and space requirement of the transformations is polynomial 

in the size of the circuit. Therefore the proposed approach can be very efficient cind 

suitable for very large designs. For brevity, all the proofs appear in the .Appendix II 

at the end of this chapter. 

6.2 S£ife Replacement of Sequential Systems 

In this section we present a very brief introduction to the notion of safe replacement 

of sequential circuits [SP94. SP.A.B9o]. 

Definition 6.1 [SP94J A design D\ is a safe replacement of a design Do (denoted 

by D\ •< Do) if given any state SI 6 D\ and any finite input sequence T G I', there 

e x i s t s  s o m e  s t a t e  S Q  G  D O  s u c h  t h a t  t h e  o u t p u t  b e h a v i o r  A £ ) j ( 5 i , 7 r )  =  A £ ) o ( s o , 7 r ) .  

The notion of safe replacement is the least stringent and sufficiently general in the 

sense that that no prior knowledge or assumptions are made regarding the design's 

environment [SP94]. This is important for design optimization since we almost always 

prefer to obtain an optimized design which can replace the old design without amy 

constraints or restrictions. In practice, a design will be used only after some number of 

clock cycles have elapsed after power-up to ensure that all the voltages and currents 
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have settled before einy useful computation can proceed. Further optimization is 

possible by taking advantage of this delay. 

Definition 6.2 [SPAB95] Given a design D. the n-cycle delayed design (denoted 

by } is the restriction of D to the set of states {^j 3~ E /". s' £ D : <5d(5'. :r)=5}, 

i.e. a state s belongs to Z?" if and only if there exists a power-up state s' in D and an 

input sequence of length n which drives s' to s. .4 new design C is an n cycle delay 

replacement for D if :< D. 

The following two lemmas show some of the important and useful properties of 

the n-delay replacement. 

Lemma 6.1 [SPAB95] If -< D, and m > n, then C" :< D. 

Lemma 6.2 [SPAB95] If •< D and •< C, then •< D. 

If a design C is an n-delay replacement of a design D. then the environment cannot 

distinguish between the two designs as long as the design C is clocked for n cycles 

before applying any useful inputs. Furthermore, if the design D has a power up delay 

of N cycles and N is greater than n, we can safely replace design D by design C, 

according to Definition 6.2 and Lemma 6.1. The property of n-delay safe replacement 

is compositional [SPAB95]. This is important because a sequence of transformations 

will be an n-delay safe replacement if each of the individual transformations is a 

n-delay safe replacement. The total delay will be the sum of the individual delays. 
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An equivalent definition of delay replacement was given in [ILA97]. It is called n-

cycle redundancy. In fact by removing a n-cycle redundant fault in a circuit, we obtain 

a new circuit which is an n-cycle delay replacement of the original circuit. Using this 

new notion, we can take the advantage of the power up delay (initialization slack), 

which is known in advance, for the circuit optimization. 

6.3 Sequential Rewiring for Low Power 

The problem addressed in this paper is to find a safe, low power replacement of 

a given synchronous sequential circuit. Without loss of generality, we assume the 

only memory elements in a sequential circuit are DFFs. During the implication, 

the iterative array model of a sequential circuit is used. The iterative array model 

consists of repeated time frames of the combinational logic of the sequential circuit. 

.A.S stated in Section 6.1. the proposed method is an extension of the technique 

of the implication based transformations for low power on combinational circuits 

presented in Chapter 5. The principles of the method are still the same, i.e., to add 

a redundant connection from a low activity gate to a high activity gate such that 

the switching activities at the output of the target gate (and maybe at its fanouts) 

will be reduced. The main difficulty here is that the connection to be added has 

to be sequentially redundant. The combinational redundant connection is found by 
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implication analysis. To apply this approach to sequential circuits the implication 

analysis has to be extended to sequential circuits. 

In addition to using direct implications, the SR technique also uses indirect impli

cations or recursive learning, (see Section 4.4.1 for details). For simplicity, in the rest 

of paper we assume that recursive learning or indirect implications are performed 

on 2-input AND/N.A.ND and OR/NOR gates. In general, there are two possible 

situations when recursive learning can be invoked. 

1. Forward learning. If only one input of gate is labeled, and this label is a non-

controlling value, then the two cases corresponding to the output being a 0 and 

1 are considered. 

2. Backward learning. If a only the gate output is labeled and this label is the con

trolling value, then the ca^es corresponding to each input having the controlling 

value are considered. 

If the value of some net is the same in both cases of a forward learning step or 

a backward learning step, then that value is assigned to the net. Note that the 

recursive learning procedure in [KP94] only propagates logic values. In this paper, 

the recursive learning procedures propagates both logic values and the symbolic value 

u. 
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6.3.1 Sequentied Implication 

To carry out the implication analysis on a sequentiaJ circuit, in addition to the 

propagation rules presented in Section 4.4.1 and Section o.2.2. the following two 

propagation rules for DFFs (see Figure 6.1) are added. Logic values can be propa

gated both ways through a DFF. .A.s in the combinational implication, the label of u 

can only be propagated backward. The difference here is that whenever propagation 

takes place across a latch, a different time frame is entered. Therefore in sequential 

i m p l i c a t i o n ,  t h e  v a l u e s  p r o p a g a t e d  a r e  d e n o t e d  b y  v ^ .  w h e r e  v  6  { 0 .  1 .  u }  a n d  T  

is an integer, to indicate the value v in time frame T. 

1(0) 1(0) 
Time Tmie Time 

i-1 

Clock Clock 

u 

D Q 

> 

u 

D Q 

> 

D Q 

> 

Time 

i 

Figure 6.1: Logic value and u propagation through a DFF. 

If the implication is started from time frame 0, then the sequential implication 

may proceed to time fraxnes in the past or into the future. Let R (L) to denote the 

rightmost (leftmost) time frame of the implication, where R 6 ^"(negative integers) 

and L € (positive integers). Since it is possible that the implication may never 

terminate due to the presence of a sequential feedback loop in the circuit, an upper 

bound on the number of time frames (backward and forward) that the implication 
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can proceed is preassigned. These are denoted by Rnax and Imax respectively. Note 

that when recursive learning is employed, the value learned in all cases must have the 

same time stamp. 

6.3.2 Sequential Redundancy Addition for Low Power 

6.3.2.1 An Example Without Recursive Learning 

In this section, we show how to find a sequential redundajicy to be added to circuit 

so that the switching capacitajice of the circuit is reduced. The idea of this approach 

is most easily explained by a simple example. 

(a) Design Do (b) Design Di 

Figure 6.2: A simple exaxnple of sequential rewiring for power reduction (a) the 
original design, (b) the new design after the transformation. 

Consider a design DQ shown in Figure 6.2(a). Switching activities of some of the 

gates axe shown diagramatically. It can be seen from Figure 6.2(a) that the output 

of the NAND gate e and DFF D2 have very low switching activity, and the output of 
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the AND gate d has very high switching activity. Gate d also fans out to two other 

gates. Furthermore, the waveforms of e and ZJo show that the two signals have long 

runs of Os. Now if a logic 0 is implied at the output of D2 in time frame 0. then 

Q2 = 0°, e = 0~^. b = 1~^, c = 1~^. Qi = 1°. After logic implication, u-propagation 

is done. This results in cormections {d g, d /} being marked and therefore 

d is marked u°. Now if we add the connection from Q2 to d we obtain a new design 

£>1, shown in Figure 6.2(b). To see if the new design Di is a safe replacement of the 

original design DQ^ let's take a look of the STG's of these two designs. These are 

shown in Figure 6.3. 

Figure 6.3: (a) STG of the original design, (b) STG of the design after adding the 
coimection in Figure 6.2. 

It can be seen from the two STGs that D\ is not a safe replacement of DQ. For 

example if the input is (a6c)=(101) and the two designs both start from state GO, 

the output of DQ is (10) while the output of D\ is (00). However D\ is a 1-delay 

10/10 
10/00 

-0-/10 
10/00 

00-/10 ^ 
100/10 101/11 

111/00 111/10 00-/10 ^ 
100/10 101/11 00-/00 

100/00 
101/11 

00-/00 
100/00 
101/11 00-/00 -00/00 loino OO-/OO -00/00 lOUOO 

(a) (b) 
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safe replacement of DQ. This is because if D\ is clocked once before applying any 

useful inputs, then the only reachable states by Di are 11. 01 and 10. For each of 

the three reachable states, under any input sequence, there is a state in DQ such that 

the outputs of the two designs axe the saxne for any input sequences. Note that the 

added connection is not a combinational redundancy. 

Having shown that the given transformation results in a delay safe replacement 

of the original design, we now show how the transformation can reduce power con

sumption. In the example shown in Figure 6.2, the switching activity at the output 

of the AND gate d is significantly reduced after adding the connection from Q2 to d. 

due to the fact that the added signal to d has long rims of O's and 0 is the controlling 

value of the .A.ND gate. Considering the fanout loads at the output of the .A.ND gate, 

the switching capaciteinces at the node d will be significantly reduced after adding 

the connection, hence the power dissipation of the circuit will be reduced. In genered. 

using the same argument as given in Chapter 5, to achieve a large power red,uction. 

the target gates should have high switching activity and the source gates should have 

low switching activity. Furthermore, the logic value that should be implied at the 

source gate should be v, where the source gate has a long run of u. 

The above exaimple shows how to use the implication analysis to find a delay 

replacement of a design by adding a single connection. Now consider applying a 

sequence of above transformations to a circuit. According to Lemma 6.2, the new 
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circuit after a sequence of transformations is still an delay replacement of the original 

design, where the total delay cycle is the sum of the delay cycles for each single 

t r einsformat ion. 

6.3.2.2 An Example That Requires Recursive Leeirning with u-Propagation 

In this section, we give an example which shows that some transformations can 

only be found using recursive learning with u-propagation. Consider the circuit in 

Figure 6.4(a). The signal b hcis long runs of I's and the signal h has very high 

switching activity. To find possible transformations from the source signal 6, the 

implication process starts with the assumption of 6 = 1. If only direct implications 

are used then the implication process will terminate at the input of the .A.ND gates 

i ajid j. However, if recursive learning is invoiced at the two gates, we find that all 

the fanouts of the gate h wiU be labeled by u in all the cases^ . Therefore, the gate 

h is unobservable if we imply 6=1. Consequently the connection from 6 to ^ in 

Figure 6.4(b) cein be added without changing the function at the primary outputs. 

Readers can verify this by checking that the s-a-0 fault on the added connection is 

redundant. As a result of this addition, the switching activity at the output of h will 

be significantly reduced. 

-.A-ssuming i  to be 0 or 1, in both cases, the connection from h to k will be labeled u. Assuming 
j  to be 0 or 1, in both cases, the connection from h to I will be labeled u. 
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(a) 

Figure 6.4: (a) original design, (b) Low power transformation. 

6.3.2.3 Sequentied Redundancy Addition 

The above observations are generalized in the following theorem. 

Theorem 6.1 Given a node s in a circuit C, let t be an AND/NAND gate marked 
by vF after performing a sequential implication starting from s = 0°. Let CT be the 
circuit obtained by replacing t by t' as shown in Figure 6.5, then C" C if: 

1. T > 0, 

2. The connection from s to t is valid ^ . 

3 .  t  ̂  T F I { s )  i f T = 0 ,  w h e r e  T F I ( s )  i s  t h e  c o m b i n a t i o n a l  t r a n s i t i v e  f a n i n  c o n e  o f  s ,  

where n = \L\-\-T and L is the leftmost time frame at which the sequential implication 
process is terminated. 

Similaj theorems can be derived for other implication cases. In general if s = 

and V is the controlling vaiue of i, a connection can be added from 5 to t: otherwise 

an inverted connection is needed. 

^The important notion of validity of a sequential implication is discussed in the following section. 
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Ox — 
s =1 ^ t =u T T>= 0 

Figure 6.5: Sequential redundancy addition (U-transformation). 

6.3.2.4 Validity of Sequential Redundeincy Addition 

In the transformations (ref. Theorem 6.1) described above, the logic implication is 

performed on the original circuit. It is possible that performing the same implication 

on the transformed circuit we may produce different results. For example, if a target 

gate is marked by u in the original circuit but cannot be marked u in the transformed 

circuit, then the connection from the source to the target cannot be added. In other 

words adding the connection from the source to the target is invalid in this case. 

Consider the example shown in Figure 6.6(a). We represent the sequential circuit 

as an iterative array which expands two time frames. xi and X2 are the present state 

lines and yi eind t/2 are the next state lines. If we start the implication at the output 

of c with 0°. we can easily obtain the following logic implications: / = 1°, e = 1°, 

and Z2 = 0^, a = 1^, 6 = 1^, c = 0^, / = 1^, e = 1^. After u propagation we find that 

b is labeled by because ail its fanouts are labeled u in time frame 0. Now consider 

the circuit after adding the connection I from c to 6 according to Theorem 6.1, which 
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Time Frame 1 Time Frame 0 

(a) Original Design 

Time Frame 1 Time Frame 0 

(b) A new design by adding the connection from c to b 

Figure 6.6: Validity of sequential redundancy addition (I). 
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(a) (b) 

Figure 6.7: Veilidity of sequential redundancy addition (II). (a) STG of circuit in 
Figure 6.6(a), (b) STG of circuit in Figure 6.6(b). 

is shown in Figure 6.6(b)'' . Let /' denote the copy of line I in time fraxne i. If the 

implication is performed on the transformed circuit, we find that in time frajne 1 b 

becomes 0 instead of 1 (as in Figure 6.6(a)). As a result, the u propagation is totally 

different from that in the original design. Specifically, gate b will not be able to be 

mcirked by u. In this case we say that adding the connection from c to 6 invalidates 

the implication at c. The STGs for the two circuits in Figure 6.6 (a) ajid (b) are 

shown in Figure 6.7 (a) and (b) respectively. Obviously if we add the connection we 

change the function of the circuit. 

To determine whether a connection to be added is valid or not, another complete 

implication step on the transformed circuit, followed by u propagation, may be neces

sary. This can become very time consuming if the number of source and target pairs 

^Note that the added connection has to be present in all time frames in the iterative axray model. 
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is laxge. However, the following lemma gives a sufficient condition for a candidate 

connection to be valid. It is a conservative claim, i.e.. a caindidate connection may be 

valid even though the condition in Lemma 6.3 is not satisfied. However, the use of 

this lemma will significaiitly reduce the computation time since it obviates additional 

implication cinalysis for each candidate connection. 

Lemma 6.3 L e t  ( s . t )  b e  a  c a n d i d a t e  s o u r c e  a n d  t a r g e t  p a i r  a s  s h o w n  i n  T h e o r e m  6 . 1 .  

The connection from s to t is valid if t is never labeled by a logic value in any time 

frame. 

6.3.2.5 Traxisfcrmations for Switching Activity Reduction 

.A.t a first glance the condition stated in Lemma 6.3 appeaxs to be too stringent. 

However, a gate labeled by a logic value during the implication process will have a 

waveform that is similax to the source. Since, the source and target gates should 

be ones with a relatively low and high switching activities respectively, a gate which 

is labeled with a logic value would not qualify to be a target of a connection (see 

Lemma 5.2 for details). The algorithm to perform the sequential rewiring for power 

minimization is shown in Figure 6.8. 

6.3.3 Sequential Redundancy Removed 

The addition of redundancies to the original circuit may create new redimdancies 

in the circuit. The sequential redimdancy removal procedure used here is based on the 
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procedure Ipwsr (C^N.d) { 
/" C is the netlist of a sequential circuit"/ 
/" N is the maximum power up delay cycle allowed*/ 
/" D is the found targets, and L is the left most time frame""/ 
0. int cycle =0: boolean stop = false: 
1. whiie(!stop){ 
2. select a source 3 gate with low activity: 
3. if no s can be found { stop = true:} 
4. else{ 
0. select logic value v to imply at 5: 
6. { D , L )  = sequentiaJJmplication(5.t*); 
7. for each time frame T in D { 
8. take a gate t from D: 
9. if add connection from 5 to i is valid { 
10. if < has high switching activity { 
11. add connection from 5 to i : 
12. cycle = cycle + |L|+|T|; 
13. if (cycle > N) stop = true; 
14. else cycle = cycle + seq_redundeLncy_removal(C,.s): 
15. if (cycle > N) stop = true: 
16. } } } } } 
17. return (C,cycle): } 

Figure 6.8: The algorithm of sequential rewiring for low power. 

algorithm reported in [BMQs97]. For each node of a circuit, the algorithm performs 

0 and 1 implication. If any net has the same label during both implications, the net 

is sequential redundant. 

One important modification to the algorithm given in [BMQs97] is necessary for 

rewiring transformations. In [BMQs97], whenever a gate has more than one input 

marked with a controlling value, the algorithm arbitrarily picks one input with the 

controlling value to retain that value, and labels the rest of the inputs with u's. This 
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s 

Figure 6.9: The problem in finding newly created redundancies using implication 
analysis. 

may miss some new redimdancies in our rewiring transformations. As an example, 

consider the circuit shown in the Figure 6.9. The connection I is redundant and can 

be added without changing the function of the circuit. After adding this connection, 

we apply the redundancy removal procedure at the gate s. If the 5 is assumed 0, both 

inputs of the gate p will be marked 0 which is the controlling value of gate p. Now if 

the label 0 at input b is replaced by u, then the other input a has to retain the label 

0 in order to guarantee that the implication is compatible in the sense of [BMQs97]. 

However, this will result in finding the connection I to be redundant, which is the one 

that was just added. Instead, if the label at the input a is replaced by u. we will find 

a new redundant net m that can be removed, and the circuit can be simplified. To 

solve this problem, a tag {kcvTag) is assigned to each net in the circuit. Initially all 

tags are marked feJse. After the logic implication step, but prior to u propagation, edl 

nets that are labeled with the controlling value of their destination gate axe identified. 

Any such net that has been added will have its kcvTags set to be true. A further 

refinement will be to check if any nets in the transitive fanouts of the marked nets 
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(kcvTag true) can aJso be maxked even if they are not newly added connections. 

Specificly, if a net is in the transitive fanout of a net whose kcvTag is true and the 

net is labeled the controlling vaiue of the connected-to gate, then the net's kcvTag 

will also be marked true. During the u propagation, none of the nets whose kcvTags 

are true will be labeled by a u. This improvement will reduce the possibility that the 

a new redundant net that is to be removed is tlie one that was added. 

procedure seq^red^removal (C,TI) { 
/* C is the netlist of a sequential circuit*/ 

n is  a .  node in the netlist C*/ 
/" N is the cycle of the delay replacement"/ 
0. int N =0: 
1. 5o = imply (C.n.O); 
2. Si = imply (C, n, 1):; 
3. 5 = intersection (5o, 5i): 
4. removal ail the s in 5: 
5. count N: 
8. retum(.iV) }: 

procedure imply (C.n.v) { 
0. assume n to be logic vaiue v; 
1. propagation logic vaiues across the netlist C; 
2. ujpropagation^setup'. 
3. u propagation on C\ 
4. return (all labeled nets); 
} 

Figure 6.10: The sequential redundancy removal aigorithm. 
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The algorithm for sequential redundancy removal is shown in Figure 6.10. In the 

algorithm, the step called u-propagationsetup will mark the kcvTags of all nets if 

necessary to ensure that the controlling value will not be overwritten. 

6.4 Implementations of the Sequential Rewiring for Low Power 

The proposed method is implemented in a package called iLOOPS (implication 

based Logic Optimization of P^ower on Sequential circuits). outline of the algo

rithms is shown in Figure 6.11. The algorithm takes C and d as inputs, where C is a 

sequential circuit and d is a. user specified delay constraint. N is the total number of 

delay cycles allowed in the transformation. This has be set to 10,000 in our program. 

Assuming a 50 MHz system clock. 10.000 cycles account for only 0.2 milliseconds, 

which is much less than the power up delay requirement in most real designs. 

The algorithm first performs the sequential rewiring procedure for low power 

{Ipw-sr in Figure 6.S). Then the sequential redundancy removal procedure {seq-red.removal 

in Figure 6.10) is applied to remove any more redundancies. Following this, a post 

transformation process {post-process) is carried out to further simplify the circuit. 

Finally, a timing correction step is carried out if the circuit violates the delay con

straint. We adopt the same methodology described in Section 5.3.2, i.e. to first 

apply the transformations without considering delay constraints or only considering 

loose delay constraints, and then carry out a timing correction using techniques such 
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cis gate sizing when necessary. Although this methodology does not guarantee the 

convergence of the algorithm, the experimental results in Section 6.5 show that all 

the timing constraints are satisfied in practice. 

In the sequential rewiring for low power algorithm shown a^ Figure 6.8, we as

sume that the switching information at the output of each gate in C is known. The 

sequential implication at line 6 will return values D and L, where L is the leftmost 

time frame up to which the implication progressed, and Z) is a dictionary whose 

keys are the time frames, and values are the gates marked by u after the sequential 

implication. If a connection to be added is valid and the target has high switching 

activity at the output, we apply the transformations described in Theorem 6.1. After 

the transformation, the number of delay cycles associated with each transformation 

is accumulated. If the total number of delay cycles is greater than .V. the procedure 

terminates and returns the transformed circuit and the total number of delay cycles. 

Note that in the line 11 of Figure 6.8, T new DFFs may be inserted along the 

redundant connection to be added, where T is the time frame in which the target 

is labeled. To achieve power reduction, we must ensure that the power increase 

introduced by the additional DFF(s) is not more than the power reduction achieved 

at the output of the target gate and its fanouts. This would involve a power analysis 

on the fanout cone of the target gate for each such connection to be added - a task 

that can be very time consuming. In our current implementation. T is restricted to 
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procedure iLOOPS (C,d) { 
/* C is the netlist of a sequential circuit"'/ 
/" J is the delay constraint*/ 
/" .V is the cycle of the delay replacement*/ 
0. int N =10000: 
1. lpw_sr(C. N.d); 
2. for all nodes n in C { 
2. seq-red^removal(C,n}\ } 
3. post^process(C); 
4. timing.COrrection (C. d): 
5. return (C. .V); } 

Figure 6.11: iLOOPS algorithms. 

be 0. That is. no DFFs are added and a single connection (possibly inverted) is added 

between a source and a target gate. This will also avoid any significant increase in 

area. 

6.5 Experimental Results on PowerPC Sequential Circuits 

In the e.xperiments. we selected 15 RLMs (Random Logic Modules) from the 36 

RLMs of the Arthur 1.0 PowerPC chip. The RLMs which were not included in the 

set of experiments were those that either have no switching activity at all or have 

very little amount of dynamic power dissipation. The experiments were conducted 

in a manner shown in Figure o.lO. 

The transformations (Figure 6.S) were implemented in IBM Smalltalk and all ex

periments were performed on 62MHz IBM5S0 workstation with 256M memory. The 
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input patterns used in the experiments, called hanoi, were the same ones that the de

sign engineers used to estimate the power of the whole chip. The switching data of all 

internal nodes was obtained by running the logic simulation tool TEXSIM. The ac

tual power was estimated by using PowerMill 5.1 from Synopsys/EPIC. The delay of 

the circuit is estimated by STEP2. a static timing analysis tool used at Somerset De

sign Center (Motorola. Inc.). Finally, the task of timing correction (see Figure 6.11) 

is accomplished by an automatic gate-sizing program called neLopt. which was also 

used at Somerset. The neLopt program improves the delay by increasing the size of 

the gates (power up) along the critical path. The .A.rthurl.0 chip was designed for 

portable applications with a clock speed of 200MHz. The worst delay for each circuit 

was set to be 5 nano seconds. 

Table 6.1 shows characteristics of the circuits. The column ASW was the average 

switching activity per gate. For e.xample. for the circuit bac, the average switching 

activity per gate was 2.64% which means that each gate has mean switching activity 

of 2.64 transitions in 100 clock cycles. Note that, all the circuits have already been 

optimized by the designers as the PowerPC chip was intended for laptop computers. 

For this reason, the switching activity in these circuits is very low. Table 6.2 shows 

the results where only direct implications were used, i.e., no recursive learning was 

performed. The results using recursive learning are shown in Table 6.3. The columns 
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Circuit PI PO Cells Latches ASW 
bac 134 74 1231 151 2.64% 
ebb 362 231 3640 198 4.70% 
ccc 211 299 4111 374 6.28% 
cdc 168 290 4370 168 6.24% 
dls 108 97 1944 154 3.16% 
dmm 110 64 797 99 8.80% 
fdl 33 22 366 10 3.56% 
fic 360 263 2961 143 8.46% 
fwn 270 77 2819 142 3.09% 
la^ 203 218 4688 371 4.36% 
lec 122 89 677 16 7.40% 
lie 79 82 2181 162 3.21% 
-xea 116 112 895 S4 5.54% 
.xeb 98 90 764 74 7.31% 
.xxa 218 113 1969 24 1.09% 
xxb 161 86 1560 7 3.94% 
Avg 172.1 137.9 2185.8 136.1 4.99% 

Table 6.1: Circuit statistics. 

PO, PI. P2 represent the power dissipation before applying the transformations, af

ter applying the transformations but without performing any gate-sizing, and after 

applying the transformations followed by gate-sizing, respectively. The ne.xt two 

columns show the power reduction in percentage before and after gate-sizing. The 

columns DL, D2 show the actual delay without and with gate-sizing after perform

ing the transformations. The column C-cycle was the total number of delay cycles 

required for safe replacement. 

From Table 6.2 we can see that the power reduction is about 4.4% without gate-

sizing and 5.0% with gate-sizing. In some Ccises, the performance degradation of the 
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Circuit 
PO 

(mW) 
PI 

(mW) 
P2 

(mW) 
(Pl-PO) 

/PO 
(P2-P0) 

/PO 
D1 

(as) 
D2 

(ns) 
C-

Cycle 
CPU 

(s) 
bac 15.35 15.23 15.23 0.78% 0.78% 2.97 2.97 89 246 
ebb 32.01 28.41 28.53 11.25% 10.85% 7.37 4.79 105 559 
ccc 48.45 45.38 45.30 6.35% 6.51% 5.71 4.50 57 620 
cdc 63.09 60.01 59.69 4.88% 5.38% 9.44 5.00 311 1500 
dls 14.39 14.10 14.10 2.03% 2.03% 5.90 4.96 .322 1353 
dmm 17.60 15.97 16.00 9.27% 9.08% 9.02 4.13 63 60 
fic 14.02 14.32 14.32 -2.14% -2.14% 6.35 4.35 67 991 
fwn 13.55 13.59 13.59 -0.24% -0.24% 3.16 3.16 50 633 
las 40.21 39.51 39.50 1.74% 1.75% 6.23 3.89 258 1113 
lec 5.89 5.22 5.22 11.36% 11.36% 4.10 4.10 49 67 
11c 16.77 16.42 16.42 2.09% 2.09% 4.09 4.09 108 551 
xea 13.86 13.85 12.35 0.05% 10.84% 3.59 3.59 53 79 
xeb 13.33 13.57 13.35 -1.80% -0.15% 3.23 3.23 27 56 
xxa 3.69 3.30 3.30 10.50% 10.53% 5.07 4.35 21 254 
xxb 5.56 4.86 4.86 12.60% 12.66% 4.78 4.78 40 195 
Avg 4.42% 5.03% 5.40 4.13 108 551.8 
Total 317.8 303.7 301.8 

Table 6.2: Experimental results without recursive learning. 

transformation was very significant, e.g. cdc. However, after gate-sizing ail circuits 

satisfy the delay constraint. Interestingly, the power reduction actually improves 

after increasing the size of gates on the critical paths. This was because gate-sizing 

may reduce the power due to glitching, which is very significant in circuits such as 

cdc. Gate-sizing can reduce power consumption by balancing the signal propagation 

delay on the paths from primary inputs to primary outputs. This result is consistent 

with our earlier results on combinational circuits (Section 5.5). For all circuits, the 

clock cycles required after power-up to guarantee safe replacement is less than 500. 
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Using a 200M Hz clock, this means only 2.5 micro-seconds power up delay which was 

of no practical significance. 

The experiments with recursive ieaxning show that the the power reduction im

proves to 5.78%, a 16% increase over the approach without using recursive learning. 

•A.s a whole, the percentage of power reduction is less thaji that of the combinational 

circuits. This was because in sequential circuits a significant portion of power dissi

pation is due to the clock distribution network. Currently, our algorithm does not 

minimize this portion of power. Finally, the results show that our method can handle 

large circuits efficiently. 

PO PI P2 (Pl-PO) (P2-P0) D1 D2 C- CPU 
Circuit (mW) (mW) (mW) /PO /PO (ns) (ns) Cycle (s) 
hline bac 15.35 15.23 15.23 0.78% 0.78% 2.97 2.97 173 398 

ebb 32.01 27.87 28.04 12.92% 12.40% 7.37 4.81 105 3563 
ccc 48.45 45.26 45.13 6.58% 6.85% 8.08 4.98 178 3302 
cdc 63.09 58.83 58.67 6.75% 7.01% 8.96 4.96 224 8478 
dls 14.39 14.09 14.09 2.04% 2.04% 5.9 4.96 527 6497 
dmm 17.60 15.97 16.00 9.27% 9.08% 9.02 4.13 141 215 
fic 14.02 14.32 14.32 -2.14% -2.14% 6.37 4.37 152 4410 
fwn 13.55 13.59 13.59 -0.25% -0.25% 3.16 3.16 129 3073 
las 40.21 39.06 .39.06 2.84% 2.84% 6.23 3.89 439 8422 
lec 5.89 5.27 5.20 10.54% 11.78% 4.1 4.1 106 353 
lie 16.77 16.42 16.42 2.07% 2.07% 4.23 4.09 279 3003 
.xea 13.86 13.57 12.11 2.09% 12.59% 4.03 3.59 69 339 
xeb 13.33 13.19 13.42 1.02% -0.69% 3.38 3.23 50 254 
xxa 3.69 3.28 3.27 11.24% 11.30% 5.07 4.35 34 930 
xxb 5.56 4.83 4.83 13.16% 13.16% 4.78 4.78 40 631 

Total/.A.vg 317.8 300.8 299.4 5.34% 5.78% 5.58 4.16 176.4 2924.5 

Table 6.3: Experimental results with recursive learning. 
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In summary, the experimental results show significant reduction in power since the 

circuits were industrial circuits that have already been optimized for power. Even 

under these circumstances, the rewiring technique resulted in about 6% power reduc

tion with no delay penalty. Note that power numbers shown in the tables include the 

power dissipated on the clock network. This may contribute as much as 50% to the 

overall power dissipation of the circuit. This component of the power dissipation is 

not considered in the current power reduction scheme® . 

we ignore the power dissipated by the clock network, the reduction obtained by the proposed 
method will be significantly more than the 6% shown in the tables, as the experimental results on 
MCNC benchmark circuits. 



129 

6.6 Appendix II 

Theorem 6.1 Given a node s in a circuit C. let t be an AND/NAND gate marked 

by after performing a sequential implication starting from s = 0". Let Cr be 

t h e  c i r c u i t  o b t a i n e d  b y  r e p l a c i n g  t  b y  t '  a s  s h o w n  i n  F i g u r e  6 . 5 ,  t h e n  C "  • <  C  i f :  ( I )  

T" > 0. (2) The connection from s to t is valid. (3) t ^ TFI{s) if T=0, where 

TFI(s) is the combinational transitive fanin cone of s, where n = \L\ + T and L is 

the leftmost time frame at which the sequential implication process is terminated. 

Proof: The proof idecis are similar to those in [ILA97]. VVe first prove the theorem 

for the case of 7" = 0. That is, assume that a target is found with a time stamp of 0. 

In this case, no additional latches will be added as part of the transformation. Let 

C denote the original circuit and Cr denote the transformed circuit. Note that the 

only structural difference between C and Cr is the added connection from 5 to t' in 

Cr. .Although this connection is not present in C, we can assume that the connection 

does exist, but has a constant value of 1 in C. Cleaxly, this modification will not 

change the behavior of C. 

The proof is by contradiction. .Assume that the transformed circuit Cr is not a n 

cycle delay safe replacement of the original circuit C. By definition, there must exist 

a Scr £ 3.nd an input sequence / such that \criScr-, 7^ ^ciSc, /),V5c € C. In 

particular, if the state Sc is chosen to be the same as Scr, then 

XCr{SCrJ)¥^^ciSCrJ). (6-1) 
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Let Fb be the first time frame in which the primary outputs of Cr are different from 

the outputs of C. For this to be true, there must exist at least one time frame in 

which s ha^ logic value 0. Let Fa be the first such time frame and let be the 

state of Cr in time frame Let /' be the subsequence of I from time frame Fa, 

i.e. 8c^{Scr' I — t') = -^Cr- Obviously, 6 C". Let be a state in Cr that will 

reach in n clock cycles, .\dditionally, it is easy to see that I — I' will also drive 

C from Scr 'O TO see this, first since 5 has logic I in all time frames before Fa, 

then the value at gates t and t' are the same in these time frames. Second, there are 

no other nets except t and t' that can have different values in C and Cr in these time 

frames. Therefore Equation 6.1 can be rewritten as the follows: 

\cr{S'c^J')¥^^c{S'c^J'). (6.2) 

The above relationship is shown graphically in Figure 6.12. .A.ssume now that 

the implication is repeated with ^ = 0 starting in time frame on Cr- The way 

we choose n and the validity condition (Lemma 6.3) guarantee that all implications 

that are performed on C can be reproduced on Cr- Therefore, 5 = 0 implies t' is 

labeled with a u in time frame F^ in Cr, as well. Recall that compatible implication 

condition [BMQs97| ensures that if t' being labeled u then along each path from t' to 

any primaury output there exists at least one gate whose side input is labeled by the 

controlling value of the gate. As a result, the difference between the logic value on t' in 
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Cr and f in C can never be seen at the primary outputs, i.e. ^') = ^ciS'c^, I'). 

This is a contradiction of Equation 6.2. 

We now prove the truth of the theorem for T > 0. For this czise, we create a 

new circuit C from C in the follows. We add a connection from s to t with T 

DFF(s) inserted along the connection. Let t' denote the .A.ND gate after adding 

the connections and s' be the added latch connected to t'. s' is always logic 1. It 

is trivial to show that C •< C. If 5 = 0° implies t = vF m C with a left most 

time frame numbered \L\, then s' = 0° implies f in C with a left most time 

frame numbered \L\ + T. From the previous case, the new circuit Cr obtained by 

replacing the connection from s' to t' with a normal connection is a \L\ + T delay 

safe replacement of C. C" •< C. From Lemma 6.2, we have C" •< C. 

Finally, condition 3 stated in the Theorem is to ensure that no combinational 

feedback will be added in the transformed circuit. • 

Lemma 6.3 L e t  ( s , t )  b e  a  c a n d i d a t e  s o u r c e  a n d  t a r g e t  p a i r  a s  s h o w n  i n  T h e o r e m  6 . 1 .  

The connection from s to t is valid if t is never labeled by a logic value in any time 

frame. 

Proof: If t is never labeled any value in any time frame during the implication, then 

none of the labels obtained by performing implication (after logic value propagation 

and before u-propagation) on C depends on 5 in any time frame. Clearly, all these 

labels can be reproduced on Cr if we simply ignore the added connection from 5 to t. 



132 

p 
— _ 

F F 
8 4 8 8 

Transformed Machine 

Cr 

"saX 

Original Machine 

C 

Figure 6.12: Time frames of original and transformed design. 

Since the logic value labels determine the u-propagation, a net in Cr can be labeled 

u if and only if the net in C is labeled u if we simply ignore the added connection. 

That is. if the connection from s to t is added, the implication on the original circuit 

is still valid on the transformed circuit. • 
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CHAPTER 7 

New Short Circuit Power Models for CMOS Gates 

In this chapter, we address the problem of short circuit power estimation for 

modern deep submicron CMOS technology-. Due to the emergence of this technology, 

there has been considerable amount of researches recently on this topic. However 

none of e.xisting models have been validated for modern deep submicron technology. 

In this chapter we first present a new semi-empirical model for the short circuit 

power {P,c) of CMOS inverters and compare the model with HSPICE simulation of 

a commercial 0.25//m CMOS process. This model is then extended to more comple.x 

CMOS gates. 

7.1 The Proposed P^c Model for CMOS Inverters 

All the short circuit current models mentioned in Section 3.2 e.Kcept [VS94] are 

based on the classic Shichman and Hodges [SH6S] model of the MOSFET. This model 

is not suitable for short channel MOSFETs. The work presented in [VS94] was based 

on a more accurate short channel current model but it leads to difficulties in deriving 

closed form formulae for P^c- In fact, to obtain a closed form formula for Pjc, the 
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authors of [VS94] had to make assumptions that result in a significant departure 

from the HSPICE simulations. However, as described in the following section, the 

main reason for the errors in all these Pac models is not due to the inaccuracy of 

the MOSFET current models. Rather, the main reason for the inaccuracy is due 

to the fact that the short circuit current in the PMOS (NMOS) device is ignored 

during the input rising (falling) transition. To develop a simple yet accurate P^c 

model for modem deep submicron technology we propose the following approach. 

The Shichman and Hodges [SH68] MOSFET current model is still used due to its 

simplicity. However, by a closer scrutiny of the errors in the model, they will be 

accounted for through the introduction of some technology dependent parameters. 

Figure 7.1(a) shows a simple CMOS inverter. Without loss of generality, we ana

lyze the situation where there is a 0 to 1 transition at the input and the corresponding 

output goes from 1 to 0. ramp input with transition time tq is assumed. For sim

plicity, all the voltages are normalized with respect to VDD- The input voltage from 

0 to To can be written as 

U.n(f) = —- f6[0. To]. (7.1) 
To 

In Figure 7.1(b), and ^3 are the times when the gate-to-source voltage of the NMOS 

and PMOS transistors reach their respective threshold voltages, i.e., TI = UTQ and 

ts = (l-l-p)ro, where n and p are the normalized NMOS and PMOS threshold voltages 
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Figure 7.1: (a) A CMOS inverter (b)The input and output voltage during an output 
falling transition. 

respectively. Note that p is negative. t2 is the time when the PMOS transistor moves 

from the linear to the saturation region. Let Ti = [ti,t2\ and T2 = [^2,^3]-

The short circuit current for an output falling transition is the current that 

flows through the PMOS transistor in Ti and T2. Using the Shichman and Hodges 

model [SH68], these are given by 

where 3p and 3n are the PMOS and NMOS gain factors respectively. Therefore the 

short circuit current for the output falling transition averaged over one clock period 

/p .TiCO =  V^^^3p[iv,n - 1 -  /j)(you£ -  1) -  -  1)^] ,  

^p.r.(0 = V'^D^(t;.•n-l-p)^ 

(7.2) 

(7.3) 
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is given by 
h £3 

fp.avg = [J Ip.Tiit)dt + j [p,T2{t)(iAf^ (7.4) 
i, t-2 

where / is the frequency of the input waveform. The average short circuit current 

for the output rising transition In.avg can be obtlined analogously. The average short 

circuit power dissipation for a CMOS inverter is obtained by taking the weighted 

sum of the average short circuit currents through the PMOS and NMOS transistors. 

This is given by 

^ DD{. ̂ p^avg-^10 ^n^avg-^Ql) ̂ ('*^) 

where EIQ and £"01 are the high to low and low to high output transition probabilities 

respectively. Assuming Vdd, EQI and Eio axe known, in the following we simply focus 

on the derivation of Ip^avg- The derivation of In,avg is analogous. 

Based on Equations (7.2), (7.3) and (7.4), the key to determining P^c is to deter

mine Vout as a function of i in 7*1, from which the value of ^2 can be obtained. Note 

that for a rising input ramp, when the PMOS transistor is in the linear region (i.e. 

i 6 ri), the NMOS must be in the saturation region. Therefore the corresponding 

output response can be determined from the following differential equation 

G £, 3„ 
VDD d.t 

TL f ^ \ ̂  
=  — ( U i n  -  n )  

- 1 - p){Vout - 1) - Kl'our - 1)']. (7.6) 

To obtain an expression of Vout-, we start with the same approach taken in previ

ously published models, i.e., we assume that the current flowing through the PMOS 
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transistor is negligible in comparison to the current flowing through the NMOS tran

sistor. As a result. Equation (7.6) can be simplified to 

Cl d^out f \2 f 

The output voltage can then be found to be [HJ87] 

, VoD^nTo, t 3 
^o u t  —  1  (  n )  .  ( ' - S )  

dCl TQ 

Let Rn = • Then Equation (7.8) can be expressed as 

I'™. = 
U-TLNC-^ TQ 

If we normalize all times by RnCc, Vout can be expressed as 

"out = 1 - 7^O'(-T - (7.10) 
6 

where 

T' — — t' = —-— (7 11) 
° RnCL ^ • ' 

The term RnCc is the time constant for discharging the output load capacitance 

CL through the NMOS transistor. Thus. Tq can be interpreted as the ratio of the 

input and output transition time. Ignoring the current through the PMOS transistor 

during input rising transition (as was done with all previous models) leads to large 

inaccuracies in Vouti especially for large Tq. When Tq is large, the input transition 

time is much longer than the output transition time and the PMOS transistor will 



138 

be on for a longer duration. Furthermore, when CL is relatively small. TQ will be 

laxge, and the output voltage will drop faster in comparison to when Tq is small. This 

results in the PMOS transistor staying in saturation for a longer period. Both of 

these factors will increase the average (short circuit) current of PMOS during the 

input rising transition which is ignored in the derivation of Equation (7.10). As a 

result, the discharge current of CL will be overestimated when (7.6) is replaced with 

(7.7) by assuming that the current through the PMOS transistor is zero. This will 

result in an under estimating Vout, which in turn leads to an over estimate of /p.aua in 

(7.4) and Psc in (7.5) ' . Note also that the short circuit current of PMOS transistor 

can also be comparable to the current through the NMOS transistor when 3p is large. 

One way to include the effect of the PMOS transistor on the short circuit current 

is to include 3p in Equation (7.10). Toward this end. we propose the following model 

for Vouf 

fJout = ^ - - nf (7.12) 
6 

e = Co X /3p + ci. (7.13) 

Co and ci are technology dependent parameters and e is less than 1. The reasoning 

behind this approximation can is as follows. Based on the earlier analysis, the actual 

value of Vout will always be greater than the one predicted by (7.8), especially when Tq 

and i3p are large. By replacing Tq by Tq , where e <1, the Vout in (7.12) will become 

'This also explains the errors of Equation (3.1) in Section 3.2. By assuming Uoui to be a linear 
instead of a more realistic non-linear waveform, the output voltage may be significantly underesti
mated, which leads to the overestimation of the average short circuit current. 
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laxger than the one in (7.8). Furthermore, if e decreases with increasing ,3p, then the 

current through the PMOS transistor will increase, as is required. For this reason, 

we expect cq < 0-

Using (7.12) for t'out, t2 can then be easily determined by substituting v^ut = 

^tn — P (point at which the PMOS transistor moves from the linear region to the 

saturation region) into (7.12). There is only one real solution to the cubic equation 

of (7.12) which results in the following value for t2. Let 7 = a = and 

^hen 

t2 = (-)<1/3)[(1 + .4)(l/3) + (1 - A)(l/3)]r^ + (7.14) 
7 

Substituting (7.12) and (7.14) into (7.4), the average current can be e.xpressed as 

r- _ t/2 J _/ D ^ , (l-2n)7a-' -f^a'^ 
Ip,avg ~ ^DD^P^Q ^nCi,f\ ^ ^ 5 14 

where a = t2 — TITq. 

Ideally, when TQ = 0 or  CL = oo, the short circuit current will be zero. However, 

from the results of HSPICE simulations, we find that even when Tq = 0 the average 

current is not zero. This is because the model does not consider majiy other second 

order effects, e.g. the Miller effect of the gate-to-drain coupling capacitance. To model 

this non-zero short circuit current, we propose the following formula to represent the 

average short circuit current: 

^p,avg — ^p,avg "f" ^ f 
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where 

A / =  X  , 5 p  +  ( 5 i  ( 7 . 1 7 )  

So and are the two technology dependent parameters to be determined from the 

simulation. The average short circuit current for the output rising transition In.avg 

can be determined by replacing /^p in Equations (7.15. 7.17) by ,Jn and 3n in (7.11) 

by ,Jp. The short circuit power can then be obtained by simply substituting (7.16) 

into (7.5). 

7.2 Experimental Results on the Proposed P,c Model for CMOS Inverters 

To examine the proposed model we conducted experiments on a few CMOS in

verters with different configurations using the device models and parameters from 

the Rockwell 0.25/im CMOS process. The parameters in the proposed P,c model 

in Equation (7.16) were obtained by fitting the model with the HSPICE simulation 

results and were shown in Table 7.1. The device models used in the HPSICE simula

tion were the level 49 BSIM3 models. The HSPICE model parameters are determined 

by fitting the model with the measured data of the manufactured wafers. Therefore 

three sets of parameters for each device, i.e. the fast, normal and slow case, which 

correspond to the process variation. Four different input rising and falling ramps were 

simulated, i.e. TQ = Ins, '2ns, 4ns and 5ns. For each input ramp, the load capacitance 

Cc was varied from 10 fF to .355 fF. PMOS transistors with three different channel 
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widths, i.e. Wp = 2.5fim,3.5fiTn were tested. The operationaJ frequency was 

chosen to be 100 MHz, which was sufficiently large for all signal to stablize before 

the next clock cycle. The short circuit power was measured in a way similar to the 

technique proposed by [Kan86]. In this approach, the current flowing through the 

PMOS and NMOS device is measured for the output failing and rising transition 

respectively. This current is then integrated over a fixed time period, normally the 

clock cycle time. The short circuit power is then simply a product of the Vjj and 

integrated current divided by the integration period. 

Co ei <^0 <5i 

unit V'lA None • sec A • sec 
PMOS -2.4E+2 0.80 9E-12 0.46E-14 
NMOS -1.8E+2 0.89 9E-12 0.46E-14 

Table 7.1: Model parameters in the new P,c model of CMOS inverter for the Rockwell 
0.25^m process. 

The experimental results are shown in Tables 7.2 to Tables 7.13 for different 

combinations of experiment setup. In all tables, the first column (CL) lists different 

output load capacitance. The second column (HSPICE) is the estimated short circuit 

power using HSPICE simulation. The third column (New Model) shows the estimated 

short circuit power using the new model. The fourth column (HJ Model) shows the 

estimated short circuit power using the HJ model. The fifth and sixth column show 

the errors of the new model and HJ model in percentage respectively, compared to the 

HSPICE simulation. Figures 7.2 through Figure 7.4 show the same results in plots. 
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The y-cLxis represents the average short circuit power dissipation of CMOS inverters 

per switching cycle, i.e. one input rising and one input failing. The Figure 7.5 shows 

the comparison of the HSPICE simulation, the proposed model and the HJ model 

for all data points that were collected. Each data point corresponds to different 

combinations of input signal transition time, output load capacitances and channel 

width of the PMOS transistor. The data points were divided into three groups, i.e. 

point 1 to 68, 69 to 136 and 137 to 204, where each group corresponds to the Figure 7.2 

to the Figure 7.4 respectively. Within each group, there were four curves which 

correspond to four different input transition time. Finally, each curve corresponds 

to the changing of short circuit power with the load capacitance given the input 

transition time and the trajisistor size. From all these figures, it can be seen that the 

proposed model matches HSPICE simulation quite well for all configurations. Overall, 

the average error of the proposed model when compared to HSPICE simulation was 

about '2% and the average error of the HJ model was about 64%. This occurs because 

the output voltage signal used in the model (Equation 7.12) includes the effects due 

to the short circuit current. This wa^ different from the work of [Vee84, SN90, HJ87, 

VS94] which do not consider the short circuit current in deriving Vout- It was also 

different from the work of [BNK98] where the short circuit current was ignored first 

in solving the differential equation and then a constant value was subtracted from 

the obtained Vout to compensate the short circuit current. 
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CL (fF) HSPICE New Model HJ Model Error 1 (%) Error2 (%) 
10 6.33 5.52 8.64 -12.8 36.6 
15 5.42 4.72 7.31 -12.8 35.1 
30 3.96 3.54 5.23 -10.6 32.0 
55 2.84 2.70 3.69 -5.0 29.7 
80 2.54 2.27 2.89 -10.5 13.6 
105 2.62 2.00 2.39 -23.5 -8.9 
130 2.03 1.82 2.04 -10.6 0.5 
155 1.86 1.67 1.79 -9.8 -3.8 
180 1.72 1.56 1.59 -9.0 -7.6 
205 1.61 1.48 1.43 -8.5 -11.2 
230 1.53 1.40 1.30 -8.4 -14.8 
255 1.46 1.34 1.20 -8.4 -18.2 
280 1.43 1.29 1.11 -9.8 -22.5 
305 1.43 1.24 1.03 -13.2 -28.0 
330 1.51 1.20 0.96 -20.4 -36.2 
355 1.72 1.16 0.90 -32.1 -47.4 

Table 7.2; Experimental results on the proposed P,c model of CMOS inverters with 
ro=lns, l'Vp=I.5/im, and M^„=0.5/im. 

CL (fF) HSPICE New Model HJ Model Error 1 (%) Error2 (%) 
10 12.55 13.58 21.98 8.2 75.1 
15 11.13 11.79 19.22 6.0 72.7 
30 9.33 9.00 14.63 -3.5 56.9 
55 7.53 6.91 10.95 -8.2 45.5 
80 6.45 5.79 8.92 -10.2 38.3 
105 5.73 5.07 7.59 -11.4 32.5 
130 5.17 4.56 6.63 -11.9 28.2 
155 4.75 4.17 5.90 -12.3 24.3 
180 4.40 3.86 5.33 -12.4 21.0 
205 4.11 3.60 4.86 -12.3 18.2 
230 3.86 3.39 4.47 -12.1 15.9 
255 3.64 3.21 4.14 -11.8 13.7 
280 3.45 3.06 3.86 -11.3 12.0 
305 3.29 2.92 3.62 -11.1 lO.O 
330 3.16 2.80 3.40 -11.1 7.8 
355 3.06 2.70 3.21 -11.8 4.9 

Table 7.3: Experimental results on the proposed model of CMOS inverters with 
ro=2ns, l'7p=1.5//m, and H^„=0.5^m. 



144 

CL (fF) HSPICE New Model HJ Model Error 1 (%) Error2 (%) 
10 27.15 33.28 53.30 22.6 96.3 
15 24.98 29.39 47.87 17.7 91.7 
30 22.05 23.12 38.43 4.9 74.3 
55 18.78 18.20 30.37 -3.1 61.8 
80 16.60 15.47 25.66 -6.8 54.6 
105 15.00 13.66 22.44 -9.0 49.6 
130 13.73 12.33 20.04 -10.1 46.0 
155 12.70 11.31 18.17 -10.9 43.1 
180 11.83 10.49 16.66 -11.3 40.9 
205 11.10 9.81 15.40 -11.6 38.8 
230 10.48 9.24 14.34 -11.8 36.9 
255 9.90 8.75 13.43 -11.6 35.6 
280 9.43 8.33 12.63 -11.7 34.0 
305 8.98 7.95 11.93 -11.4 33.0 
330 8.60 7.62 11.31 -11.4 31.6 
355 8.25 7.32 10.76 -11.3 30.4 

Table 7.4: Experimental results on the proposed P^c model of CMOS inverters with 
ro=4ns, Wp=l.ofiTn, and Wn=0.ofim. 

CL (fF) HSPICE .Vew Model HJ Model Error 1 (%) Error2 (%) 
10 34.60 44.23 70.28 27.8 103.1 
15 32.20 39.28 63.59 22.0 97.5 
30 28.85 31.23 51.83 8.3 79.7 
55 25.03 24.82 41.61 -0.8 66.3 
80 22.35 21.22 35.54 -5.1 59.0 
105 20.35 18.81 31.34 -7.6 54.0 
130 18.75 17.03 28.18 -9.2 50.3 
155 17.45 15.66 25.70 -10.3 47.3 
180 16.33 14.55 23.68 -10.9 45.0 
205 15.38 13.63 21.99 -11.3 43.0 
230 14.55 12.85 20.55 -11.7 41.3 
255 13.83 12.19 19.31 -11.9 39.7 
280 13.18 11.60 18.23 -11.9 38.3 
305 12.60 11.09 17.27 -12.0 37.0 
330 12.08 10.63 16.41 -12.0 35.9 
355 11.58 10.21 15.65 -11.8 35.2 

Table 7.5: Experimental results on the proposed P^c model of CMOS inverters with 
ro=5ns, M'p=1.5/im, and Wn=0.5fim. 
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CL (fF) HSPICE New Model HJ Model Errorl (%) Error2 (%) 
10 6.95 6.79 12.76 -2.3 83.7 
15 6.40 5.88 10.90 -8.2 70.2 
30 4.67 4.50 7.93 -3.7 69.7 
55 3.13 3.49 5.69 11.5 81.6 
80 2.69 2.96 4.51 10.4 67.9 
105 2.34 2.63 3.76 12.3 60.9 
130 2.09 2.39 3.24 14.0 54.8 
155 1.92 2.20 2.85 15.1 48.8 
180 1.78 2.06 2.55 15.8 43.1 
205 1.63 1.94 2.31 19.6 41.8 
230 1.50 1.85 2.11 23.0 40.2 
255 1.40 1.77 1.94 26.1 38.6 
280 1.33 1.69 1.80 27.0 34.9 
305 1.32 1.63 1.68 24.0 27.5 
330 L.38 1.58 1.57 14.6 14.3 
355 1.57 1.53 1.48 -2.7 -5.9 

Table 7.6: Experimental results on the proposed Pac model of CMOS inverters with 
ro=lns, Wp='2.ofj.m, and lVn=0.5iim. 

CL (fF) HSPICE .\ew Model HJ Model Errorl {%) Error2 (%) 
10 15.63 16.57 32.09 6.1 105.4 
15 14.15 14.51 28.24 2.6 99.6 
30 11.80 11.30 21.79 -4.2 84.7 
55 9.73 8.86 16.56 -8.9 70.2 
80 8.38 7.54 13.63 -10.0 62.7 
105 7.40 6.67 11.69 -9.9 57.9 
130 6.68 6.04 10.28 -9.5 54.0 
155 6.05 5.56 9.20 -8.1 52.1 
180 5.58 5.17 8.35 -7.2 49.7 
205 5.18 4.86 7.65 -6.1 47.8 
230 4.86 4.59 7.06 -5.5 45.3 
255 4.57 4.36 6.57 -4.5 43.7 
280 4.32 4.17 6.14 -3.5 42.2 
305 4.10 3.99 5.77 -2.7 40.6 
330 3.92 3.84 5.44 -2.1 38.8 
355 3.78 3.70 5.15 -2.2 36.2 

Table 7.7: Experimental results on the proposed P,c model of CMOS inverters with 
ro=2ns, Wp='2.0fxm, and PV'„=0.5/im. 
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CL (fF) HSPICE New Model HJ Model Errorl (%) Error2 {%) 
10 33.60 40.22 77.14 19.7 129.6 
15 31.35 35.75 69.62 14.0 122.1 
30 28.23 28.58 56.48 1.2 100.1 
55 24.63 22.91 45.16 1 b

 

83.4 
80 22.10 19.75 38.48 -10.7 74.1 
105 20.13 17.62 33.88 -12.4 68.3 
130 18.53 16.06 30.43 -13.3 64.3 
155 17.25 14.84 27.73 -14.0 60.8 
180 16.15 13.86 25.53 -14.2 58.1 
205 15.20 13.04 23.70 -14.2 55.9 
230 14.35 12.34 22.15 -14.0 54.3 
255 13.63 11.74 20.81 -13.8 52.7 
280 12.98 11.22 19.63 -13.5 51.3 
305 12.40 10.76 18.60 -13.3 50.0 
330 11.85 10.34 17.68 -12.7 49.2 
355 11.38 9.97 16.85 -12.4 48.1 

Table 7.8; Experimental results on the proposed P^c model of CMOS inverters with 
To=4ns, PVp=2.5/x77i, and W„=0.5/x7n. 
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Figure 7.2: Comparison of the proposed P,c model and the HSPICE simulation for 
the CMOS inverter in Figure 7.1 with Wp=\.hnm and PV„=0.5/im. 
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CL (fF) HSPICE New Model HJ Model Errorl (%) Error2 (%) 
10 42.93 53.32 101.47 24.2 136.4 
15 40.43 47.62 92.23 17.8 128.2 
30 36.95 38.40 75.91 3.9 105.4 
55 32.78 31.04 61.60 -5.3 87.9 
80 29.73 26.89 53.02 -9.5 78.4 
105 27.35 24.08 47.05 -12.0 72.0 
130 25.38 22.00 42.54 -13.3 67.6 
155 23.73 20.38 38.98 -14.1 64.3 
180 22.35 19.06 36.06 -14.7 61.3 
205 21.15 17.97 33.61 -15.1 58.9 
230 20.08 17.03 31.52 -15.2 57.0 
255 19.13 16.22 29.71 -15.2 55.4 
280 18.28 15.51 28.12 -15.1 53.9 
305 17.53 14.88 26.72 -15.1 52.4 
330 16.83 14.32 25.46 -14.9 51.3 
355 16.18 13.81 24.32 -14.6 50.4 

Table 7.9: Experimental results on the proposed P^c model of CMOS inverters with 
To=5ns, Wp=2.5iJ.Tn, and W„=0.5/im. 

ISO 230 

Figure 7.3: Comparison of the proposed Pjc model and the HSPICE simulation for 
the CMOS inverter in Figure 7.1 with Wp=l.5fj,m and W^„=0.5At7n. 
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CL (fF) HSPICE New Model HJ Model Errorl {%) ErTor2 (%) 
10 7.00 7.29 16.61 4.1 137.2 
15 6.08 6.38 14.21 5.0 133.9 
30 4.37 4.99 10.40 14.4 138.2 
55 3.48 3.96 7.51 13.9 116.2 
80 3.11 3.41 5.99 9.4 92.5 
105 2.67 3.04 5.02 14.2 88.4 
130 1.89 2.79 4.34 47.6 129.9 
155 1.68 2.59 3.83 53.9 128.0 
180 1.53 2.43 3.43 59.2 125.1 
205 1.39 2.30 3.11 65.0 123.5 
230 1.35 2.19 2.85 62.8 112.0 
255 1.22 2.10 2.63 71.9 115.7 
280 1.14 2.02 2.45 77.6 115.4 
305 1.10 1.95 2.28 77.3 108.1 
330 1.15 1.88 2.14 64.1 86.7 
355 1.33 1.83 2.02 37.2 51.6 

Table 7.10: Experimental results on the proposed Pjc model of CMOS inverters with 
ro=lns, T^p=3.5/i7n, and W„=0.5/im. 

CL(fF) HSPICE New Model HJ Model Errorl (%) Error2 (%) 
10 16.58 17.50 41.62 5.6 151.1 
15 15.35 15.48 36.69 0.9 139.0 
30 12.98 12.31 28.42 -5.1 119.1 
55 11.05 9.86 21.70 -10.8 96.4 
80 9.58 8.51 17.94 -11.1 87.3 
105 8.50 7.61 15.43 -10.4 81.6 
130 7.65 6.96 13.62 -9.1 78.0 
155 6.98 6.45 12.22 -7.6 75.2 
180 6.40 6.04 11.11 -5.6 73.6 
205 5.90 5.70 10.20 -3.4 72.9 
230 5.51 5.41 9.44 -1.7 71.5 
255 5.16 5.17 8.80 0.2 70.6 
280 4.83 4.95 8.24 2.5 70.5 
305 4.57 4.76 7.75 4.1 69.6 
330 4.35 4.59 7.32 5.5 68.3 
355 4.18 4.44 6.94 6.2 66.2 

Table 7.11; Experimental results on the proposed model of CMOS inverters with 
ro=2ns, PVp=3.5Atm, and PV„=0.5/im. 
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CL (fF) HSPICE New Model HJ Model Eirrorl (%) Error2 (%) 
10 37.20 41.92 99.82 12.7 168.3 
15 34.98 37.54 90.20 7.3 157.9 
30 31.95 30.52 73.38 -4.5 129.7 
55 28.28 24.93 58.87 -11.8 108.2 
80 25.60 21.77 50.30 -15.0 96.5 
105 23.53 19.63 44.39 -16.6 88.7 
130 21.83 18.04 39.96 -17.4 83.1 
155 20.38 16.79 36.49 -17.6 79.1 
180 19.15 15.78 33.66 -17.6 75.7 
205 18.08 14.93 31.29 -17.4 73.1 
230 17.13 14.21 29.29 -17.0 71.0 
255 16.28 13.58 27.55 -16.6 69.3 
280 15.53 13.03 26.03 -16.1 67.7 
305 14.85 12.54 24.69 -15.6 66.3 
330 14.23 12.10 23.50 -14.9 65.2 
355 13.68 11.70 22.43 -14.4 64.0 

Table 7.12: Experimental results on the proposed Pac model of CMOS inverters with 
ro=4ns, Wp=3.5/im, and W„=0.5/im. 

CL (fF) HSPICE New Model HJ Model Errorl (%) Elrror2 (%) 
10 47.70 55.39 131.22 16.1 175.1 
15 45.23 49.80 119.41 10.1 164.0 
30 41.73 40.77 98.51 -2.3 136.1 
55 37.55 33.54 80.18 -10.7 113.5 
80 34.45 29.41 69.19 -14.6 100.9 
105 31.95 26.61 61.53 -16.7 92.6 
130 29.88 24.51 55.74 -18.0 86.6 
155 28.13 22.87 51.16 -18.7 81.9 
180 26.58 21.52 47.40 -19.0 78.4 
205 25.20 20.39 44.25 -19.1 75.6 
230 24.03 19.43 41.56 -19.1 73.0 
255 22.93 18.59 39.23 -18.9 71.1 
280 21.98 17.85 37.18 -18.8 69.2 
305 21.10 17.19 35.36 -18.5 67.6 
330 20.30 16.60 33.73 -18.2 66.1 
355 19.55 16.07 32.26 -17.8 65.0 

Table 7.13: Experimental results on the proposed Pjc model of CMOS inverters with 
ro=5ns, W^p=3.5^m, and Wn=Q.f>y.m. 
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Figure 7.4: Comparison of the proposed P,c model and the HSPICE simulation for 
the CMOS inverter in Figure 7.1 with Wp=1.5/zm sind Wn=0.5fMTn. 
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Figure 7.5: Comparison of the HJ model, the proposed P,c model and the HSPICE 
simulation for the CMOS inverter in Figure 7.1. 
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7.3 The Proposed Model for CMOS Complex Gates 

The Psc of a complex CMOS gate is estimated by reducing it to an equivalent 

inverter. The key issue here is to determine the channel width of the single equivalent 

inverter and the effective input signal fed to it. This problem has been addressed for 

CMOS gate delay estimation in [RT82, JJP89, NLR94]. 

Traditionally, the effective input to the inverter is chosen as the fastest (slowest) in

put signal of the CMOS complex gate for parallel(serisJ) connected MOSFETs [RT82, 

NLR94]. This approach results in significant errors in delay estimation [JJP89]. In 

[JJP89], the effective signal is hexiristically chosen to be the "average" of the over

lapping input signals of the CMOS gate, such as shown in Figure 7.6. Although this 

approach improves the accuracy of delay prediction, it is not suitable for short circuit 

estimation. For example, in Figure 7.6(b), the short circuit current flows from VDD 

to GND from time tx to This is because after one of the PMOS transistors 

will be turned off and no conducting path from VDD to GND exists. However in the 

approximation shown in Figru-e 7.6, the effective signal will be on beyond the time of 

Therefore using the effective input signal in Figure 7.6(b) for short circuit power 

estimation will lead to inaccurate results. 

The traditional approach to compute the channel width of the equivalent tran

sistor is also straightforward [RT82, JJP89]. For example, the equivalent transistor 

width of MOSFETs connected in series is the inverse of the stmi of the reciprocal of 
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Vdd ^ Vdd 

GND tj t2 
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GND ti t2 

(b) 

Figure 7.6: Derivation of effective input signal toward estimating the output falling 
propagation delay of a 2-input NOR gate from [78]. The solid lines are the original 
input signals and the dotted lines are the effective input to the equivalent inverter 
for different relative delays of input signals. 

the chzinnel width of each individual transistor; and the equivalent transistor width 

of parallel connected MOSFETs is simply the sum of the width of each individual 

transistor. In [NLR94] a much better approximation for the equivalent transistor 

width is given where the equivalent transistor width depends on the relative delays 

of input signals. One shortcoming of this method is that it requires computing some 

technology dependent parameters using HSPICE simulation. 

In this section, we propose new models for the above problem. The new solution 

ran be viewed as a generalization of the methods in [JJP89] and [NLR94] in that 

both equivalent channel width and the effective input signal are dependent on the 

relative delays of the input signals of the complex CMOS gate. Additionally, the 

models for the equivalent channel width and effective input signal are different from 

[NLR94] and [JJP89] respectively. 
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FigTire 7.7: An example for effective input signal and equivalent inverter approxima
tion of a 2-input NAND gate for P,c estimation, (a) A 2-input NAND gate, (b) The 
input waveforms. 

Figure 7.7(a) shows a 2 input NAND gate, which will be used as an example in 

deriving the new model of Pjc for CMOS gates. For a switching signal k, let tk be 

the time the transition starts, Sk be the transition time and rjt be the time when 

the transition completes, i.e. rk= tk + Sk- The Transition window (il) of a gate 

is defined as the time interval when there exists a direct path from VDD to GND 

during the input and output transitions. It will be referred to simply as a window in 

the rest of the chapter. 

7.3.1 Case 1. Both Inputs Changing from 0 to 1 

When both inputs of a 2-input NAND gate change from 0 to 1, the output of the 

NAND gate will drop from 1 to 0. Note that in this case the driving path consists of 
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the two NMOS transistors connected in series and the output will not change if any 

one of the inputs is 0^ . The transistors responsible for the short circuit current are 

the two PMOS transistors connected in parallel. There will be a short circuit current 

as long as one of the input has not reached 1. Therefore, the window of the NAND 

gate when both inputs are rising cam be simply approximated by: 

Q= mcLx{ra,ri,) — max{ta,tb) (7-18) 

For example in Figure 7.7(b), the output voltage will not start to drop until £& since 

before the input 6 is 0. The total short circuit current will become 0 at Va since 

both PMOS transistors are off at that time. Therefore the time interval [U, Ta] is the 

only interval then there exists a direct path from VDD to GND. 

The loading factor (L) for each input signal is defined as the ratio of the portion 

of each input signal transition within the window to the size of the window. For 

example, for the input waveforms of the NAND gate shown in Figure 7.7(b), Q = Va — 

tb.La = (ra — <6)/f2 = I, Lb = (rj — ti,)!Omega. The loading factor indicates how 

much each signal and the corresponding transistor (the signal it is connected to) 

contributes to the overall short circuit current. In this example, the PMOS transistor 

Pa ill Figure 7.7(a), is on within the whole window period so its loading factor is 

1. On the other hand, for NMOS transistor Pj,, it will be off after Vb, therefore it 

contributes to the total short circuit current only during the time interval [t^, rj], i.e. 

^To be more precisely, the output will not change if any one of the inputs is less than the NMOS 
threshold voltage, Vt,„. Using logic value 0 or 1 instead of the threshold voltage values of PMOS and 
NMOS simplify the disctission. 
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Lfc = < (7.19) 

Lb = (^6 — h)/^- In general, the loading factor for the input signed A: of a 2-input 

NAND gate when both inputs are rising can be computed as follows: 

> rnax{ta,h) 

0, otherwise. 

Note that if = 0, it means that the signal k will stay at the non-controlling 

value (logic 1) during the whole transition period (window) of the other input signal. 

Having defined the load factors for each signal, the equivalent channel width of 

the PMOS and NMOS transistor of the equivalent inverter are calculated as follows: 

X + U X Wp, (7.20) 

^ (^Ar.W^;^,(2-La)(2-L,)) 
- ̂ ^^(2 - LJ + lVy,(2 -U) ^ - ' 

For example assuming Wp^ = Wp^ = Wp and = Ws^ = consider the case 

when jLo = 1 ^ind Lb = 1, i.e. both input signals start to switch at the same time 

with the same slope. From Equations 7.20 and 7.21, W^p,«p; = 2Wp and = 

Wn/2. These are exactly the same formulas used by the traditional approach for 

Pac estimation [JJP89]. Therefore Equations 7.20 and 7.21 are a generalization of 

the traditional approach to reducing a 2-input NAND gate to an equivalent inverter 

for short circuit power estimation. As another example, when La = 1 and Lb = 0, 

Wp,e^ = Wp and Wn,«p, = This is as expected because the PMOS transistor 

Pb is off during the input and output transition time and does not cause any short 

circuit current to flow during the transition. On the other hand, the pull down path 
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should have better conductivity than the case when La = 1,1'6 = 1 since iVj, will be 

always on during the period that the output falls. Note that either La or Lb will be 

1  a l l  t he  t ime ,  the re fo re  Wn^eqv  i s  i n  the  range  o f  [ \WN , \WS \ -

Finally the slope of the equivalent input signal for the inverter is simply 

Having obtained the channel widths for the transistors of the equivalent inverter and 

the input slope for the 2-input NAND gate, the P^c model given by Equation 7.16 

for inverters can be used to estimate the P,c of the gate. 

7.3.2 Case 2. Both Inputs Changing from 1 to 0 

The analysis of this case is similar to Case 1. The path responsible for the short 

circuit current consists of the two NMOS transistors in series. The window can be 

calculated as follows: 

This is because as soon as one of the inputs start to fall, the path from VDD to GND 

also starts to form. The path will cease to exists if at least one of the inputs becomes 

0. The loading factor for the input k can then be calculated as. 

The formulas for the Wp and Wn are the same as those in Equation 7.20 with the 

exception that diflFerent loading factors to be used. The equivalent input slope of the 

Q = min{ra, ri,) — min(ta, h) (7.22) 

min(ra,ri,)—tk 
min(ra irj}—mm(ta ,t(,) 

Otherwise. 

(7.23) 
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inverter is still Q Note that the value of f2 here is different from the one obtained 

by Equation 7.18. 

7.3.3 Case 3. One Input Rising and the Other Input Falling 

If two transitions stjurt far enough apart then the problem is reduced to the case 

where only one input switches. These have been been handled in case 1 and 2 where 

the loading factor of one input is 1 and the loading factor of the other input is 

0. However, if the two trjinsitions are sufficiently close, then the problem becomes 

more complicated. If the two transitions start at the same time and have the same 

transition time, then ideally the output will always stay at logic 1. Consequently no 

short circuit current flows during the transition. However, if the two transitions start 

at different times or start at the same time but with different transition times, then 

it is possible that a glitch will be presented at the output. In this case there will be 

some short circuit current. Unfortimately, a reasonably accurate estimation of this 

current requires complicated transient analysis of a transistor which is not practical. 

However, the glitch is normally smaller in magnitude compared to the full output 

swing during a normal transition and therefore the short circuit current will also be 

smaller. Otir solution to this problem is that when the two transitions start at the 

same time, the P,c is taken to be 0; when the two transitions start far enough apart, 

the single input transition model, a special case of Case 1 and 2, is used to reduce 

the gate to an equivalent inverter to estimate Pac-
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The method xised to estimate P,c for other primitive 2-input gates is the same as 

that of a 2-iiiput NAND gate. The estimation of Pjc for primitive gates with more 

than two inputs is also straight forward. For example, for a A:-input NAND gate with 

all inputs rising, the results are: 

j=i 

L_ (7.25) 
^j=n Ws, (2-L,) 

Lk = < (7.26) 

0, otherwise. 

=  max( r i , - - - , r f c ) -max( t i , - - - , t f c )  (7 .27)  

7.4 Experimental Results 

The proposed model of P,c for CMOS gates is verified by HSPICE simulation on 

a 2-input NAND gate for different combinations of input waveforms. The MOSFET 

model parameters and HSPICE models were the sjime as the those described in 

Section 7.2. The P,c for a CMOS inverter is estimated using Eqiiation 7.16. Three 

sets of experiments were conducted corresponding to the three sets of input waveforms 

shown in Figure 7.8. In each set of experiments two different load capacitances were 

considered, one of 50 fF and the other of lOOfF. 
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Figure 7.8: Input waveforms for different sets of experiments of the estimation of 
a CMOS 2-input NAND gate, (a) Experiment setup I. (b) Experiment setupll. (c) 
Experiment setup III. 

Input waveforms for the experiment set I were shown in Figure 7.8(a). In this 

setup, input a has a 2 nano seconds transition time for both rising and falling tran

sition. The transition time of the input waveform b varies from 2 nano seconds to 5 

nano seconds. Note that all transitions start at the same time. For the experiment 

set II, both inputs have the same transition time but the starting time of transitions 

were different. The difference between the starting time of a and b varies from 0 

nano seconds to 5 nano seconds, assuming that a always starts to switch at time 0, 

as shown in Figvire 7.8(b). Experiment setup III was a combination of I and II. That 

is, a and b have different transition times as well as different starting times, as shown 

in Figure 7.8(c). 

The experimental results were shown in Tables 7.14, 7.15, and 7.16. The column 

labeled CL shows the load capacitance in fF for each experiment. PO was the Pjc 

value in micro watts obtained from the HSPICE simulation. PI and P2 were the P^c 
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CL slew PO PI errorl P2 error2 
(fF) (ns) {fJL W) (/z W) ifji W) 
50 2.0 6.36 6.023 -5.4% 6.02 -5.4% 
50 2.5 6.21 7.29 17.3% 8.14 30.9% 
50 3.0 8.15 8.551 4.9% 10.42 27.8% 
50 3.5 9.20 9.849 7.0% 12.85 39.6% 
50 4.0 10.75 11.196 4.1% 15.41 43.4% 
50 4.5 12.32 12.593 2.2% 18.09 46.8% 
50 5.0 13.70 14.039 2.5% 20.88 52.4% 

100 2.0 5.38 4.68 -13.0% 4.68 -13.0% 
100 2.5 4.85 5.616 15.8% 6.33 30.6% 
100 3.0 6.09 6.558 7.7% 8.13 33.6% 
100 3.5 7.39 7.538 2.0% 10.07 36.2% 
100 4.0 8.59 8.563 -0.3% 12.11 41.1% 
100 4.5 9.91 9.635 -2.8% 14.26 43.9% 
100 5.0 11.10 10.752 -3.1% 16.51 48.7% 

Avg 2.8% 32.6% 

Table 7.14: Comparison of the proposed P^c model and the HSPICE simiilation for 
a 2-input NAND gate given the experiment setup I 

values obtained from the proposed model and traditional model respectively. The 

terms errorl and error2 are the relative errors of PI and P2 as a percentage of PC. 

In Table 7.14, the column slew shows the different transition times for signal h in the 

experiment setup I. In Table 7.15, the colimm start shows the different start times 

of signal h in the experiment set 11. In Table 7.16, the columns start and slew were 

the start times and transition times of signal b in the experiment set III. The results 

are also graphically shown in the Figures 7.9, 7.10 and 7.11, where each data point 

in the figure corresponds to a row (an experiment setup) in Tables 7.14, 7.15 and 

7.16 respectively. 
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CL start PO PI errorl P2 error2 
(fF) (ns) in W) ifx W) (az W) 
50 1.0 6.35 6.02 -5.1% 6.02 -5.1% 
50 1.5 5.67 6.12 8.0% 6.02 6.2% 
50 2.0 5.91 6.02 1.9% 6.02 1.9% 
50 2.5 5.48 5.74 4.7% 6.02 9.8% 
50 3.0 5.52 5.27 -4.5% 6.02 9.1% 
50 3.5 5.48 5.27 -3.8% 6.02 9.8% 
50 4.0 5.47 5.27 -3.5% 6.02 10.1% 
50 4.5 5.46 5.27 -3.4% 6.02 10.4% 
50 5.0 5.45 5.27 -3.2% 6.02 10.5% 

100 1.0 5.35 4.68 -12.4% 4.68 -12.4% 
100 1.5 4.44 4.71 6.2% 4.68 5.5% 
100 2.0 4.32 4.60 6.3% 4.68 8.2% 
100 2.5 4.17 4.35 4.2% 4.68 12.2% 
100 3.0 3.98 3.96 -0.5% 4.68 17.6% 
100 3.5 3.89 3.96 1.9% 4.68 20.3% 
100 4.0 3.87 3.96 2.4% 4.68 20.9% 
100 4.5 3.85 3.96 3.0% 4.68 21.7% 
100 5.0 3.85 3.96 3.0% 4.68 21.6% 

Avg 0.3% 9.9% 

Table 7.15: Comparison of the proposed Pjc model and the HSPICE simulation for 
a 2-input NAND gate given the experiment setup II 

From the experimental results we can see that the proposed Pjc model for CMOS 

gates was much more acciirate than the traditional models. For example, for the 

experiment set I, the average error of the new model was within 3% of the HSPICE 

simulation while the error of the traditional model was about 33%. Overall the new 

model was within 10% of the HSPICE simulation. 
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CL start slew PO PI errorl P2 error2 
(fF) (ns) (ns) (Ai W) in W) ifM W) 
50 1.0 5 10.82 10.37 -4.1% 20.88 93.0% 
50 1.5 4 8.48 8.17 -3.7% 15.41 81.8% 
50 2.0 3 6.13 6.11 -0.3% 10.42 70.0% 
50 2.5 2 4.42 4.21 -4.8% 6.02 36.2% 
50 3.0 1 3.28 2.46 -25.0% 2.46 -25.0% 
100 1.0 5 8.47 7.85 -7.4% 16.51 94.9% 
100 1.5 4 6.60 6.18 -6.5% 12.11 83.4% 
100 2.0 3 4.84 4.63 -4.4% 8.13 67.9% 
100 2.5 2 3.61 3-22 -10.9% 4.68 29.5% 
100 3.0 1 2.61 1.94 -25.7% 1.94 -25.7% 

Avg -9.3% 50.6% 

Table 7.16: Comparison of the proposed P,c model and the HSPICE simulation for 
a 2-input NAND gate given the experiment setup III 

20 

18 
S o 
s 16 

O 14 s 
S. 
«12 
H u 
t: 10 o 
£ CO 

X 

0 HSPICE 

• 
* 

Proposed model 

X Traditional model 

X 

8 
X 

8 
• 
0 X 

• 
O 

• 
X o 
• 

. « O 
o 
• 

X 

2 -
• 

X 
a 

- 5 • 
O 

6 8 10 12 

Data points 

Figure 7.9: Plots for the results in Table 7.14. 
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Figure 7.10: Plots for the results in Table 7.15. 
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Figure 7.11: Plots for the results in Table 7.16. 
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CHAPTER 8 

Leakage Power Optimization of Deep Submicron CMOS 

Circuits for Dual Vt Technology 

The availability of two or more threshold voltages on the same chip provides a 

new opportunity for circuit designers to make tradeoffs between power and delay. In 

this chapter the problem of optimal assignment of threshold voltages to transistors 

in a CMOS logic circuit to minimize the leakage power dissipation is defined, and 

three efiBcient algorithms for its solution are given. This problem will be referred to 

as the Dual Vt Selection problem, since only two threshold voltages, a low Vt and a 

high Vt, are considered, in the remainder of this chapter, the two terms power and 

leakage power will be used interchangeablely. 

8.1 Problem Definition 

A combinational circuit is represented by a circuit graph G = (V,E) (see Sec

tion 2.1.1). The general form of the dual-V^ optimization problem is to assign one 

of two threshold voltages, and Vt^iow, to each transistor such that some cost 

fimcticn is optimized subject to constraints. We assrmie that PMOS and NMOS 
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transistors that are connected to the same signal have the same threshold voltage. 

Therefore the different threshold voltages of the treinsistors are represented by label

ing each connection tij E E hy Xij, where Xij = 0 {xij = 1) means that the PMOS 

and NMOS transistors that are driven by edge have a Vj = Vtjiigh. (Vt = Vtjow)-

The dual-Vi selection problem can be viewed in one of two ways - either delay can 

be optimized subject to constraiints on power or vice versa. The algorithms presented 

here attempt to reduced the standby power subject to the delay constraints. The 

procedures may start with a combinational circuit where all the devices are assumed 

to have their threshold voltage set to Vf^ow and select a subset of devices whose 

threshold voltage will be modified to Vt^igh, without increasing the delay of the 

original circmt. This is formally expressed as follows: Given a combinational circuit, 

represented as a DAG G = (V, £*), and with all the devices having their threshold 

voltage set to 

maximize ^ Xij A 
V Ci, € E 

subject to Xij = 0,1 and ^(n) > 0, V n € V 

where A Pg^. is the reduction in the leakage power when the threshold voltage asso

ciated with edge eij is changed from Vtjow to Vtjugh- The required time for each 

primary output is defined to be the worst case delay of the original circuit where 

sdl the devices have their threshold voltage set to Thus, the initial circuit is 

the fastest implementation with all the other parameters being fixed. On the other 
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hand, the procedures may also stzirt from a combinational circuit where ail the de

vices are assumed to have their threshold voltage set to Vtjiigh and select a subset of 

devices to have Vtjow- The new problem is very similar to above formulation except 

the optimization problem becomes use of a minimization rather than a maximiza

tion, and A P(^. is the increase in the leakage power when the threshold voltage 

associated with edge eij is changed from Vtjngh to Vtjiow Both of these problems can 

be formulated as constrained O-I programming problems with non-linear constraint 

functions. In the following section three new efficient heuristic procedures to solve 

this problem Eire described. The effectiveness of the algorithms will be demonstrated 

through experiments on the MCNC91 benchmark circuits. 

8.2 Algorithms for the Dual Vt Selection Problem 

8.2.1 Algorithm I - Iterative Min-cut 

In this algorithm, the problem is formulated as an iterative min-cut problem [Xie97]. 

The starting point of the algorithm is a combinational circuit with all the devices 

having their threshold voltage set to Vt^igh-

Definition 8.1 A weight w{eij) is assigned to each edge Cij in G = (V, E) as follows: 

\ 

wieij) = < 
^ A ATU) if Sij is Vt^igh and SQ) < 0 

(8.1) 

oo. otherwise. 
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where A is the increase in the leakage power and A AT{j)  is the reduction in 

the arrival time at the gate j, when the threshold voltage associated with edge eij 

is changed from to Vt^ow- The parameter a is used to balance the impact of 

the and A AT{j)  since they have different units and their absolute values 

may differ by orders of magnitude. Consequently, the smaller the weight of an edge, 

the smaller will be the increase in the leakage power with a corresponding larger 

improvement in the delay. 

Consider a cut of the weighted circuit graph G. This is a partition of the vertices 

of G into two non-disjoint sets (5,S). For all the edges Cij where i E S and j G 5, 

changing their threshold voltages from Vt^igh to Vtjow guarantees to speed up all the 

paths from the primary inputs to the primary outputs. Among all the possible cuts, 

the minimum weighted cut is the one of interest since the delay along sdl these paths 

will be reduced with the least increase in power. 

Algorithm I, shown in Figure 8.1 consists of iteratively finding the min-cut of the 

weighted graph. The final solution is the union of all the edges with finite weights 

of all the min-cuts. The algorithm stops when all edges of the min-cut have infinite 

weights. This implies that either all edges have been changed to Vt^ow or that the 

delay constraints are satisfied or both. Note that after changing the threshold voltages 

of the selected edges to a static timing analysis is required and all the weights 

need to be re-computed using Definition 8.1. The problem of finding a min-cut of a 
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weighted graph has been studied intensively for over two decades. The well known 

solution is called the max-flovj-min-cut algorithm [FF62]. The algorithm used in this 

chapter is called as the preflow-push algorithm which is known to be the fastest in 

practice [GT86]. 

procedure DualVT-I (G) { 
/* G is the circuit graph with threshold voltages of all 
edges set to Vtj^igh. */ 
0. solution=0; 
1. static timing analysis; 
2. compute weights according to Definition 8.1; 
3. stop = FALSE; 
4. while(sfop == FALSE) { 
5. cutSet — find_minimum_weighted_cut_of G; 
6. candidates — all edges in cutSet with non oo weight; 
7. if {candidates — 0) stop = TRUE; 
8. else { 
9. change all edges in candidates to 
10. static timing analysis; 
11. recompute the edge weight; 
12. solution = solution U candidates; } 
13. } 
14. return (solution); 

Figure 8.1: The dual VJ power minimization Algorithm L 

The complexity of the preflow-push algorithm [GT86] is 0{V^E) (line 5 in Fig

ure 8.1). The maximum execution times of outer loop of the algorithm (line 4 in 

Figure 8.1) ,  is  0{E).  Therefore the overall  complexity of  the algorithm is  0{V^E^).  

Since the outer loop almost never nms E times in practice, the real complexity is 

much smaller than the worst condition. 



169 

8.2.2 Algorithm II: Iterative Max-cut I 

In this algorithm, the problem is formulated as an iterative max-cut problem. The 

starting point of the algorithm is a combinational circuit with all the devices having 

their threshold voltage set to 

Definition 8.2 An edge Cij is said to be feasible iff changing the threshold voltage of 

Sij from Vtjouj io Vt^^igh, does not result in making the slack of gates i and j negative. 

Let ATi {ATj), RTi (RTj) and Si (Sj) denote the arrival time, required time, and 

slack of gate i (j) respectively. Let df(j) denotes the gate delay of gate j from 

the input connected to gate i to its output^ . The feasibility of the edge eij can be 

determined from Lenuna 8.1 shown below. 

Lemma 8.1 e^j is feasible if e/ < Sj (Sj > 0) and ef, < §j- (Si > 0), where 

€f = ATi + dfU) - ATj and + df{j) - RTj. 

Since non-feasible connections are guaranteed not be included in any selection, 

only feasible connections need to be considered. 

Definition 8.3 A weight w{eij) is assigned to each edge eij in G = (F, E) as follows: 

wieij) = < 

^ Pcij if Cij" is feasible 

0, if eij is not feasible. 

(8.2) 

^Note for the sake of simplicity, although the output rise and fall delays have not been differen
tiated so far in the presentation, they are accounted for in the implementation. 
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A solution to the dual-Vt problem is to identify the largest subset Sff  C E {Sc = 

E — Su), such that changing the threshold voltage of the edges in SH to Vtjiigh will 

not violate the delay constraints. The heuristic procedure to be described consists 

of two steps. First, instead of finding the largest feasible subset of edges, a maximal 

feasible subset is determined. That is, a subset that has the property that if another 

edge is added to it, it is no longer feasible, i.e., it violates the delay constraint. A 

maximal feasible subset is a locally optimal solution. To escape from this with the 

intent of finding a possibly better one, a second step, called swapping, is carried out. 

This swaps elements from SL ajid Ss to increase the weight of the maximal set. The 

weight of a set of edges is the total power reduction when the threshold voltage of 

all edges in the set is changed from to Vt^igh. 

8.2.2.1 Construction of an Initial Solution 

Definition 8.4 A cut C of a directed acyclic graph G = {y,E) is a partition of the 

nodes ofV into two disjoint sets, i.e. C = (5, S). The forward cut edges are those 

edges Cij G E such that i ^ S and j G S. Similarly, the backward cut edges 

are all those edges eij € E such that i € 5 and j € 5. ^4 forward cut Cf of G 

is a cut where all cut edges are forward cut edges. 
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Lemma 8.2 Let Cf be a forward cut of a DAG G = {V,E). Let ei^J^ and ei^j^ be 

any two edges in the set of forward cut edges. Then is neither in the transitive 

fanin cone nor the transitive fanout cone of 

Lemma 8.3 Given a forward cut of the circuit graph G, changing the threshold volt

age of all the forward cut edges that are feasible from Vt^ow to Vtjiigh will not increase 

the circuit delay. 

In the rest of the chapter, a forward cut will be referred to simply as a cut. A 

simple algorithm to find a good initial solution can be obtained by iteratively finding 

the maximum weighted cut of the circuit graph imtil the weight of the cut becomes 

zero. Note that after changing the threshold voltages of all edges in a cut to Vtjiigh, 

the timing information of the circuit has to be updated and the edge weights have to 

be re-evaluated since their feasibility may have been changed. The problem of finding 

a maximum weighted cut of a graph is NP-Complete [MG79]. A heuristic employed 

here is to define a special type of a cut which can be easily identified and where the 

total number of such cuts is sufficiently small that they can be enumerated. One 

such class of cuts is based on the topological level of the gates. 

Given a combinational circuit, the level of a primary input is zero, and the level 

of a gate is the one more than maximum of the levels of all its fanin gates. 
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Definition 8.5 Given a circuit graph G = (V, E) corresponding to a levelized com

binational circuit, the level k partition of G is a partion of V into {S, S) such that 

1. y i € S, level(i) < k; 

2.  "i  j  6  S,  level( j)  > k; 

<?. 0 < k < max { level{n)) ,  V v e V. 

Clearly, the level k pzirtition is a forward cut. The procedure outlined in Figure 8.2 

finds an initial solution by iteratively finding the maximum level-fc cut of the current 

weighted circuit graph until no other cut with a non-zero weight can be found. 

Figure 8.3 shows an example of how the procedure works. Assume that the circuit 

graph shown in Figure 8.3(a) represents the current state. The circuit has three level 

cuts and steps 6 through 9 of the procedure initsolution will result in a level i — l cut 

with the maximum weight of 21. Recall that an edge of weight of zero means that 

the edge is either non-feasible or its threshold voltage is already Therefore 

all the edges in the level z — 1 cut with positive weight (edges {coc, ew, e6e}), will be 

included in the initial solution and their threshold voltages will be changed to Vtjiigh 

(steps 12 and 13). At this point a static timing analysis is performed and the weights 

of the edges will be updated (step 14, 15). For example, after changing the weights 

of the edges in the level i — l cut to Vt^igh, the weight of the edge egk changes from 

14 to 0. Thus edge egk is now unfeasible. The new weighted circuit graph is shown 
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procedure. initSolution (G) { 
/* G is the circtiit graph with all edges set to 
/* MAXLEVEL is the maxiTmim level of all nodes in G.*/ 
1. solution = 0; 
2. stop = FALSE; 
3. while(5tpp == FALSE) { 
4. Tnax=-1, TTuxxCut = 0; 
5. initialize the edges weights; 
6. for(A;=0;A: < MAXLEVEL;A:+H-) { 
7. levelCut = find level k cut of Gf, 
8. if(total weights of levelCut > max) { 
9- max = total weights of levelCut-, 
10. maxcut ~ levelCut':,} } 
11. \i{maxcut != 0) { 
12. change positive weighted edges in levelCut to Vtjtigh 
13. solution = solution U maxcut-, 
14. update the delay information for each node in G; 
15. re-evaluate the edge weights; } 
16. else{ stop = TRUE;} } 
17. ietvm{solution); } 

Figure 8.2: Algorithm for finding the initial solution in the dual Vt power minimiza
tion Algorithm II. 

in Figure 8.3(b). The loop containing steps 3 through 16 will be repeated on the new 

circuit graph until the weights of all edges become zero. 

Lemma 8.4 Procedure initsolution (Figure 8.2) returns a maximal set of edges 

whose threshold voltages can be simultaneously changed to Vt^igh without increasing 

the delay. 

Corollary 8.1 After the termination of the procedure initsolution, no edge in the 

circuit graph is feasible. 
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Uvel i-1 \level i [level i+l level i*2 level i-I [level i level <•*•/ level M 

level irl au level i*l cut level i-1 CM level M cut 
level i cut level i cut 

(a) (b) 

Figure 8.3: An example explaining the algorithm in Figure 8.2 

8.2.2.2 Improving the Initial Maximal Set by Swapping 

The result of procedure initsolution (Figure 8.2) is a partition of the edges of the 

circuit graph into two disjoint sets, Sh and Si, where Sh is the set of edges whose 

threshold voltages will be Vtjugh and Si is the set of edges whose threshold voltages 

will be Vtjioa,- Lemma 8.4 states that the set of edges with VtjiighS is maximal in the 

sense that no more edges can be added to Sh (from Si) without increasing the delay. 

Since the objective function is non-negative, this set is a locally optimal solution. 

To escape for a locally optimal solution, a swapping procedure is carried out. An 

outline of this procedure is shown in Figure 8.4. The basic idea here is to move edges 

from Sh with a total weight that is as small as possible into the set SL, and to move 
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edges from SL into Sh whose total weight is as large as possible, without increasing 

the delay. Note that Corollary 8.1 states that none of the edges are feasible in the 

initial solution. 

procedure swap (G,I) { 
/* G is the circuit graph with all edges of I are 
Vt^ighS and the rest of edges are Vt^'s. */ 
1. while (some edge in I not considered for swap) { 
2. swapOutNet = the edge in I with the smallest weight; 
3. cost = weight of swapOutNet; 
4. set swapOutNet to Vtjiow'i 
5. feasibleNets = incremental_timing.AnaIysis(s7/;apOutiVet) ; 
6. gain = maximum weight of all edges in feasibleNets; 
7. if (gain > cost)  {  
8. swapInNets = apply SwapInNets{feasibleNets); 
9. / = / U swapInNets; } 
10. else { 
11. set swapOutNet to Vtjiigh 
12. restore the original delay information; }} 
13. return(soZutzon); } 

Figure 8.4: The algorithm for swapping operation. 

After some edge is moved from the set Sh into there may be some previously 

unfeasible nets that become feasible. These are potential candidates for being moved 

from Sl into Sh- The swapping is performed one edge at a time, with the edge having 

the smallest weight being moved from Sh to Si (line 2). This is done to as to minimize 

the cost of the swap out operation. After setting the threshold voltage of the edge 

to be swapped out to Vt^, an incremental timing analysis (refer to Section 8.3) is 

performed to identify all edges that have become feasible (line 5). Note that, unlike 
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procedure DualVT-II (G) { 
/* G is the circuit graph with all edges are V^ow's */ 
1. read in the signal probability for each node; 
2. compute the weights for each edge of G; 
3. static timing ansdysis; 
4. set the timing constraints as the worst cast delay of G; 
5. / = initialSolution{G)-, 
6 .  S = swap {G,I)  ; 
7. re-compute the total leakage power; 
8. retum(5); } 

Figure 8.5: The dual Vt power minimization Algorithm II. 

the situation with a cut, it may not be possible to Swap in all the candidate feasible 

nets because they may not be simultaneously feasible. A conservative approach is to 

define a gain associated with the edges that might be swapped in. This gain is the 

maximum weight among all the feasible edges (line 6). If the gain is greater than the 

cost, the swap in performed. Note that to guarantee that the delay is not increased, 

the feasible nets will have to be swapped in one by one followed by an incremental 

timing analj^is. A good heuristic is to swap in the order of decreasing weight since 

the edge with a larger weight (gain) will be swapped in first. Thiis is carried out by 

the procedure applySwapInNets. If some candidate nets become infeasible due to 

the application of the swapping of some other nets, these nets will not be swapped. 

The value returned by the procedure apply SwapInNets is the set of edges that will 

be moved into 5^. Finally, if the gain is less than the cost, the swap is not performed 

and the original circuit states are restored (line 11 and 12). As am example, consider 
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the initial solution given in Figure 8.3(b), where Sh = ac, bd, be and the remainder of 

the edges are Si- If the edge ac is swapped out from Sh to S/, it is possible that some 

edges in its transitive fanout becoming feasible due to the speed-up at node c. In 

particular, if the edge of gk becomes feasible, we would likp to swap it into Sh since 

the overal weight of the new Sh will increase by 2. As a result, a better solution than 

the initial one is found. 

The overall dual Vt power minimization algorithm is shown in Figure 8.5. The 

complexity of the procedure swap in Figure 8.4 is simply 0{E{E + V)). This is 

because the maximimi number of steps of the outer loop (line 1) is E and the run 

time of the loop body is determined by the timing aneJjrsis (line 5) whose complexity 

is 0{E -f- V). For the procedure initSolution in Figure 8.2, the steps of both the 

outer loop (line 3) and inner loop (line 6) are proportional to the level of circuit 

which is 0{E). The complexity of the loop body is determined by the operation of 

delay updates (line 14) which is 0(£' + V). As a resxilt, the total worst case run time 

complexity for the procedure initSolution is 0(£^(F + S)). Therefore the overall 

complexity of Algorithm II in Figure 8.5 is simply 0{E{E+V))-\-0{I^{y+£^)) which 

is 0{E^{y + £^)). However, for most real circuits, the number of levels of a circuit 

is close to 0{log{E)). Therefore the actual complexity of procedure initSolution 

is close to 0{log'^E(y + £"))• As a result the average run time complexity of the 

algorithm is 0{E{E + V)). 
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8.2.3 Algorithm III : Iterative Max-cut II 

This algorithm is very similar to Algorithm II described previously. However, 

unlike Algorithm II, this algorithm starts from a combinational circuit with all of its 

devices being Vt^high- Since the timing constraints are obtained from the circuit with 

all devices being Vt^ow, most of the gates will have negative slack. The idea here is 

that only the subcircuits of which all the gates have negative slack, called the critical 

subcircuits, are identified. Changing all edges in a critical subcircuit from Vtjiigh to 

Vt^ow will result in the fastest version of the critical subcircuit, with a possibility of 

significantly increasing the leakage power. However it may be possible to achieve 

the same result in terms of performance by only modifying the threshold voltages 

of a subset of edges in the critical subcircuit, and thereby reduce the increase in 

leakage power. In other words, it may be possible to change the threshold voltages 

of some edges in the critical subcircuit back to Vtjiigh to reduce the leakage power of 

the critical subcircuit without incurring any delay penalty. This is exactly the same 

problem as formulated in Section 8.2.2. The outline of this algorithm is shown in 

Figure 8.6. The algorithm returns a set S which consists all the edges selected to be 

Vt^oto- As described above, after extracting the critical subcircxiit (line 3), Algorithm 

n is applied (line 6). 

It is easy to see that the worst case nm time complexity of Algorithm III is the 

same as that of the Algorithm H. However, since most of the critical subcircuits are 
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procedure DualVT (G) { 
/* G is the circuit graph with all edges are VtjiighS */ 
0. 5 = 0; 
1. read in the signal probability for each node; 
2. static timing anal3rsis; 
3. extract the critical subcircuits Gi, • • •, Gjt; 
4. for (each subcircuit Gfc){ 
5. replace each edge with 
6. 5=5 U DualVT(Gfc);} 
7. rettini(5); } 

Figure 8.6: The dual Vt power minimization Algorithm in 

much smsiUer than the original circmt, it is expected that the actual real nm time of 

Algorithm II will be much less than that of the Algorithm 11. 

8.3 Implementation Issues 

The bottleneck in the algorithms II and III is the static time analysis step that is 

performed during the swapping operation (line 5 of Figure 8.4). For each candidate 

edge to be swapped out, an incremental timing analysis is performed to find the new 

edges that become feasible. An incremental timing analysis will only traverse gates 

and nets whose timing information are to be updated. Consequently it is much more 

efficient than the static timing analysis on the whole circuit. However, in the worst 

case, even the incremental timing analysis may have to traverse backward to the pri

mary inputs and forward to the primary outputs in order to compute the changes in 

the slack values of all the affected gates. However, in practice, the effects of changing 



180 

the threshold voltage of a single edge on the slack values of other gates in the circuit 

diminishes geometrically with the depth of the fanin and fanout cones [Cou96]. Con

sequently, in the current implementation, incremental timing analysis is performed 

within a window (nxmaber of levels around the node in consideration) of a specified 

size. Experimental results confirm that this simple heuristic significantly improves 

the running time for large circuits with little degradation on the reduction in the 

leakage power. 

8.4 Experimental Resiilts on the Pieak Minimization 

8.4.1 Experiment Setup 

The dual Vt power optimization algorithms presented in Section 8.2 were imple

mented in Smalltalk. All experiments were run on a Sun Sparc4 machine with 64MB 

memory with the circuits from the MCNC91 benchmark suite. The typical 

aJtid Vtji  ̂ were 0.7 and 0.25 volts respectively [Xie97]. Kw was chosen to be 2.5 

volts. All the other technology parameters for the power and delay model were taken 

from [SSKJ87, SN90, SN91a, GE96]. The signal probabilities were obtained by logic 

simulations with randomly generated input patterns. 

The leakage power model of Equations 2.10 and 2.11 is used to compute the leakage 

power for each gate. Since the signal probabilities and gate sizes will not be changed 

during the optimization, the leakage power reduction of each edge (by changing it 
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from Vt^ow to Vtjugh) needs to be computed only once. The timing constraints for a 

circuit is the worst case delay of the circuit implementation in which all transistors 

have low threshold voltages. Since accurate delay computation and tuning analysis 

is used in the algorithm, the algorithm guarantees to produce a new implementation 

with a worst case delay that is the same as the original one. 

In Table 8.1, characteristics for each circuit are shown. The circuits shown in the 

Table 8.2 were sorted in increasing order of the number of connections. This is just 

a rough indication of the complexity of a circuit. The second column (N) and third 

column (G) show the total number of connections and gates of each circuit. The 

fourth cohimn (IP) shows the leakage power in milli-watts before the optimization, 

i.e. all transistors were Vt^ow- The power reduction is measxired by comparing (IP) 

with the leakage power of the optimized circuit. The fifth column (%Psw) shows the 

leakage power dissipation (IP) as percentage of the switching power dissipation(P„o). 

The last column shows the ratio of the delay of the circuit with all devices are Vt^igh 

to the delay of the circuit with all devices are T4>to- From the table it can be seen 

that, on the average, the leakage power dissipation for all Vt^ow circuit is about 24% 

of the switching power dissipation. If high Vt transistors to be used to minimize 

leakage power dissipation, the delay increase is about 36%. In the following section 

we will show that using the proposed algorithms in Section 8.2, significant leakage 
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cktName N G IP (mW) Dlyinc 

t 15 7 0.54 40.6 1.37 
C17 15 7 0.54 40.6 1.39 
majority 22 12 0.85 19.4 1.36 
bl 23 12 0.97 32.6 1.34 
cml52a 47 25 1.81 22.2 1.27 
cm82a 51 30 2.20 17.2 1.36 
cmlSIa 52 28 1.87 16.4 1.33 
cm42a 68 37 2.21 16.8 1.36 
tcon 69 29 2.05 27.2 1.27 
decod 75 33 1.39 18.2 1.45 
z4ml 85 48 3.47 139.4 1.35 
mux 90 47 4.09 16.1 1.36 
cml63a 91 50 3.76 15.9 1.34 
il 96 47 3.21 20.0 1.33 
cm85a 99 56 4.40 19.9 1.35 
pml 100 54 3.77 21.9 1.34 
cml62a 101 61 4.59 22.0 1.36 
x2 103 57 4.49 24.0 1.34 
cmlSOa 106 63 5.12 17.7 1.39 
cmb 113 64 4.30 15.2 1.35 
parity 121 75 5.09 16.9 1.33 
cu 123 66 4.29 17.3 1.36 
cc 128 69 4.68 29.8 1.33 
cordic 137 81 5.81 19.0 1.36 
pcle 141 77 5.09 18.7 1.35 
set 162 89 6.68 21.1 1.35 
f51m 192 110 8.00 17.2 1.34. 
pclerS 198 110 7.90 34.5 1.32 
comp 209 123 8.80 17.4 1.36 
lal 209 115 8.48 24.1 1.35 
mireg 220 121 9.34 20.5 1.36 
b9 242 129 9.19 19.5 1.36 
i3 264 132 11.51 16.9 1.39 
c8 275 152 11.20 19.3 1.35 

Table 8.1: Circuit statistics. 



cktName N G IP (mW) %Psw Dlyinc 

frgl 281 157 11.93 16.2 1.38 
terml 326 184 13.75 19.1 1.35 
cht 350 194 15.44 18.8 1.36 
my-adder 368 222 16.59 21.4 1.35 
Rsymml 382 213 15.99 17.7 1.35 
15 412 214 14.30 21.3 1.34 
ttt2 416 224 16.49 21.3 1.36 
12 437 224 12.76 13.9 1.34 
apex7 469 253 18.08 23.9 1.35 
C432 470 270 19.61 21.0 1.36 
xl 611 331 24.29 23.4 1.35 
exaniple2 634 328 22.42 20.5 1.34 
tooJarge 674 378 25.18 20.8 1.34 
alu2 695 387 28.62 30.0 1.35 
x4 824 454 33.86 21.3 1.33 
C880 837 475 35.21 20.2 1.37 
16 974 526 42.25 19.3 1.34 
C1908 980 560 38.76 19.7 1.40 
C499 1044 622 42.25 20.2 1.34 
C1355 1044 622 42.51 19.7 1.47 
vda 1101 611 49.31 53.3 1.35 
19 1280 697 60.94 17.7 1.47 
17 1360 786 62.42 20.5 1.38 
rot 1416 755 54.14 22.7 1.39 
alu4 1476 826 59.44 24.9 1.37 
t481 1481 825 57.35 52.3 1.34 
C2670 1552 828 62.33 17.5 1.35 
apex6 1596 876 68.24 19.7 1.35 
x3 1603 886 68.69 19.7 1.34 
frg2 1741 913 67.73 21.7 1.35 
k2 2004 1129 88.07 48.2 1.36 
18 2168 1190 94.24 24.4 1.35 
C3540 2404 1339 102.32 21.6 1.36 
dalu 2533 1430 105.51 27.0 1.39 
pair 3251 1756 132.88 18.5 1.37 
C5315 3281 1781 133.28 17.5 1.34 
110 4623 2522 188.28 24.9 1.34 
G6288 5799 3406 234.63 18.2 1.35 
des 7215 3989 313.72 21.9 1.36 

Average 879 488 36.38 24.1 1.36 

Table 8.1: Circuit statistics (cont'd). 
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power reduction can be achieved with no delay increase by assign appropriate Vt to 

each transistor in the circuit. 

8.4.2 Comparison of the Results of Algorithms I, II, III 

The experimental results for the Algorithm I, II, III were shown in Table 8.2. The 

columns labeled NPl, NP2 and NP3 were the leakage power dissipation for the 

optimized circuit using the algorithms I, II and III respectively. The corresponding 

CPU times of each algorithm were shown in the columns CPUl, CPU2 and CPUS. 

The columns IP/NPl, IP/NP2 and IP/NP3 show the ratios of IP to NPl, NP2 

and NP3 respectively. 

Prom the Table 8.2, it caai be seen that significant power reduction can be achieved 

using the proposed solutions to the dual Vt selection problem. The power reduction 

can be up to an order of magnitude. On the average, algorithms I, 11 and III re

duce the leakage power dissipation by a factor of 2.7, 7.5 and 8 respectively, when 

compared to the circuit implemented by all Vt  ̂transistors. Note that the power 

optimized circuits have the same performance as the circuits with all gates with their 

threshold voltages set to Vt^ow- This is is the fastest implementation when other 

parameters fixed. The algorithms II and III consistently outperforms Algorithm I; 

on the average by a factor of 3. The main reason is that, in algorithm I, after each 

run of the max-flow-min-cut algorithm, we need to recompute the weight for each 

edge. The assignment of the infinite weight to an edge will mislead the algorithm to 
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cktName 

Algorithm I A. gorithm n Algorithm lU 

cktName 
NPl 
(mw) 

IP 
/NPl 

CPUl 
(s) 

NP2 
(mW) 

IP 
/NP2 

CPU2 
(s) 

NP3 
(mw) 

IP 
/NP3 

CPUS 
(s) 

t 0.15 3.60 0.3 0.15 3.61 0.2 0.15 3.60 0.1 
C17 0.15 3.60 0.3 0.15 3.61 0.2 0.15 3.60 0.2 
majority 0.37 2.31 0.6 0.38 2.23 0.3 0.37 2.31 0.2 
bl 0.60 1.63 0.4 0.39 2.49 0.3 0.39 2.47 0.3 
cml52a 1.51 1.20 0.9 0.95 1.90 0.5 0.95 1.91 0.5 
cni82a 2.13 1.03 1.1 0.85 2.59 0.8 0.80 2.75 0.8 
cml51a 1.67 1.12 1.1 1.03 1.81 0.5 1.03 1.81 0.6 
cm42a 0.55 4.01 0.8 0.43 5.14 0.9 0.43 5.13 0.5 
tcon 1.27 1.61 1.0 0.74 2.77 0.7 0-74 2.78 0.6 
decod 1.28 1.08 1.3 0.74 1.88 0.8 0.74 1.88 0.8 
z4inl 2.32 1.50 2.0 1.65 2.10 1.4 1.55 2.24 1.1 
max 3.20 1.28 1.8 2.73 1.50 0.9 2.73 1.50 0.9 
cnil63a 2.00 1.89 1.9 1.49 2.53 1.6 1.38 2.73 1.0 
il 0.91 3.54 1.3 0.58 5.54 1.2 0.52 6.23 0.8 
cm85a 1.51 2.92 1.5 0.66 6.67 2.1 0.66 6.62 1.2 
pml 1.42 2.65 1.4 0.71 5.31 2.1 0.67 5.62 1.2 
cml62a 2.20 2.09 1.8 1.45 3.16 2.1 1.34 3.41 1.5 
x2 3.36 1.34 1.9 1.33 3.38 1.8 1.37 3.27 1.6 
cmlSOa 3.23 1.59 2.0 2.74 1.87 1.1 2.74 1.87 0.9 
cmb 2.53 1.70 1.7 0.75 5.74 2.6 0.75 5.74 1.3 
parity 5.09 1.00 2.8 3.59 1.42 0.9 3.16 1.61 1.7 
cu 0.75 5.76 1.5 0.40 10.73 3.0 0.36 11.85 1.1 
cc 2.67 1.75 1.9 2.01 2.33 2 1.60 2.93 1.4 
cordic 4.29 1.35 2.5 2.00 2.91 2.1 1.76 3.31 1.7 
pde 1.58 3.21 2.2 0.71 7.17 3.5 0.69 7.39 1.8 
set 3.87 1.73 6.9 2.62 2.55 3.4 2.47 2.70 2.7 
fSlm 5.00 1.60 7.0 2.99 2.68 6.4 2.91 2.75 4.2 
pderS 2.46 3.22 3.0 1.51 5.23 4.3 1.44 5.47 2.2 
comp 5.34 1.65 3.4 1.61 5.47 5.9 1.59 5.55 4.8 
lal 3.91 2.17 4.3 1.32 6.43 5.7 1.25 6.80 4.1 
unreg 4.94 1.89 3.8 4.80 1.95 2.8 4.80 1.95 1-6 
b9 3.90 2.35 3.7 0.97 9.47 6.8 0.82 11.14 5.0 
i3 11.21 1.03 5.1 11.21 1.03 1.7 11.21 1.03 2.0 
c8 4.47 2.50 4.0 3.26 3.43 8.2 2.70 4.15 4.5 
frgl 5.75 2.07 4.8 1.34 8.91 10.5 1.27 9.36 7.9 
terml 5.99 2.29 5.5 1.87 7.35 14.3 1.82 7.55 8.3 
cht 5.78 2.67 5.0 4.24 3.64 6.8 4.24 3.64 3.4 

Table 8^: Experimental results of leakage power minimization. 



186 

cktName 

Algorithm I Algorithm n A !
 

0
 

cktName 
NPl 
(mw) 

IP 
/NPl 

CPUl 
(s) 

NP2 
(mW) 

IP 
/NP2 

CPU2 
(s) 

NP3 
(mw) 

IP 
/NP3 

CPUS 
(s) 

my.adder 5.94 2.79 7.3 1.96 8.46 17.3 1.85 8.95 7.9 
Qsymml 6.70 2.39 8.0 1.83 8.74 19.4 1.82 8.78 12.0 
15 3.01 4.75 5.2 1.31 10.92 12.2 1.24 11.50 5.9 
ttt2 2.37 6.95 5.4 1.21 13.63 17.4 1.14 14.46 4.6 
i2 9.63 1.32 8.5 1.56 8.18 11.8 1.52 8.37 8.5 
apex7 4.48 4.04 6.6 1.61 11.23 18.5 1.51 11.98 9.3 
C432 15.11 1.30 44.3 5.90 3.32 29.2 5.24 3.74 26.6 
xl 7.49 3.24 9.1 2.22 10.94 21.4 2.11 11.51 11-4 
example2 4.06 5.52 8.1 1.54 14.56 23.9 1.54 14.60 9.4 
tooJarge 9.99 2.52 12.5 2.57 9.80 49 2.40 10.48 27.3 
alii2 17.45 1.64 30.8 3.68 7.78 85.5 3.62 7.91 58.2 
x4 11.98 2.83 12.9 5.25 6.45 40.8 4.08 8.29 14.1 
C880 10.89 3.23 62.8 3.66 9.62 152.3 3.39 10.37 71.8 
i6 9.27 4.56 13.3 4.05 10.43 36 4.05 10.42 10.6 
C1908 27.85 1.39 139.1 7.08 5.47 180 7.26 5.34 105.4 
C499 40.17 1.05 66.2 19.92 2.12 43.7 17.48 2.42 35.0 

C1355 40.28 1.06 93.8 19.70 2.16 42.2 17.05 2.49 33.5 
vda 25.61 1.93 28.5 4.38 11.26 73.8 4.18 11.81 47.0 
i9 31.99 1.91 37.8 14.62 4.17 114.8 13.43 4.54 80.5 
i7 16.67 3.74 23.1 8.05 7.75 63.8 8.05 7.75 21.6 
rot 13.29 4.07 25.6 2.30 23.54 123.9 2.39 22.68 56.6 
alu4 35.61 1.67 160.1 6.12 9.71 270.3 5.86 10.15 175.4 
t481 37.10 1.55 46.7 5.96 9.62 120.1 5.57 10.30 76.6 
C2670 15.79 3.95 29.6 2.59 24.06 242 2.54 24.52 54.7 
apex6 16.04 4.25 23.1 2.76 24.73 144.9 2.31 29.60 33.2 
x3 13.28 5.17 21.2 5.32 12.91 122.8 4.12 16.67 37.7 
frg2 11.17 6.06 29.6 6.19 10.94 189.2 6.06 11.17 63.8 
k2 43.35 2.03 55.3 8.27 10.65 263.9 7.75 11.37 104.5 
iS 41.18 2.29 64.9 17.32 5.44 241 14.18 6.65 132.4 
C3540 66.19 1.55 926.4 7.47 13.70 565 7.18 14.24 319.9 
dalu 43.65 2.42 1063.3 6.66 15.84 591.8 5.84 18.07 282.4 
pair 36.04 3.69 93.9 7.98 16.65 519.2 7.80 17.05 190.4 
C5315 42.56 3.13 119.6 8.99 14.83 794.3 7.92 16.82 252.2 
ilO 50.74 3.71 505.2 7.99 23.56 2466.5 8.25 22.82 608.1 
C6288 196.95 1.19 26871.5 79.92 2.94 15307.5 77.51 3.03 5756.6 
des 33.86 9.26 937.5 24.18 12.97 2896.8 23.35 13.44 244.5 

Average 15.17 2.66 434.1 5.18 7.50 356.5 4.87 7.96 124.2 

Table 8.2: Experimental results of leakage power minimization (cont'd). 
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an non-optimal solution. This also explains why for some cases the nmning time of 

algorithm I is faster than the other two algorithms. To eliminate this problem, the 

max-flow-min-cut algorithm should only be nm on the extracted subcircuits where 

no internal edges having infinite weights. Most of time the algorithm in out performs 

the algorithm II. The reason for this is that unlike algorithm II, algorithm III starts 

from a circuit with all devices having Vijiigh. Then critical subcircuits were extracted 

and each one of them is optimized using Algorithm II. Since each subcircuit is much 

smaller than the origingJ circuit, algorithm HI will have to search a much smaller 

solution space. Consequently the algorithm may jump out of local optimal solution 

easier than the case of a larger solution space exists. In terms of overall average 

running time, Algorithm III is the fastest and Algorithm I is the slowest. This is 

consistent with the theoretical complexity analysis in Section 8.2. 

Note that in current formulation of the problem we assume both low and high Vt 

devices have the same parasitic capacitances. Also note that throughout the whole 

procediu-e the switching activity, the power supply voltage and operating frequency 

were also not changed. Consequently the will not be changed as a result of making 

changes to reduce Pieak- From the column %Psw of the Table 8.1, we see that for 

the circuits implemented with all low Vt devices, the leakage power is around 24% of 

Prom the column IP/NP3, the average Pieak reduction is about 88%. Since the 

Psjo is the same after the optimization, the overall power reduction will become only 
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17% (0.24 X 0.88 /1.24). This may lead us to conclude that the proposed method 

will not be very effective in practice. However in applications where the system may 

be idle mode in most time, the static power may dominate the switching power. In 

these cases, the proposed dual Vf power minimization methodology can save a large 

amount of energy over a long period of idle time without sacrificing the performance 

while it is in the working mode. 

8.4.3 Impact of the Window Size on the Algorithm 11 

As pointed out in Section 8.3, the time consimaed by the static timing analysis 

(STA) can be reduced by setting a window which indicates the number of levels, 

both forward and backward, beyond which the procedure of incremental static timing 

analysis should be stopped. To see the impacts of the window size on the performance 

of the algorithms, particularly Algorithm II, we conducted different experiments for 

two different window sizes, one is chosen to be oo and the other is a small integer of 

5. The results were shown in Table 8.3. By setting a window on the static timing 

analysis, the computation time for large circuits is reduced significantly with little 

penalty on the power reduction. For example, by setting window size to be 5, the 

CPU time for the circuit C6288 reduced almost 50% with only 3% decrease in the 

power reduction. 



189 

cktName NP2-1 (mW) CPU2-1 (s) NP2-2 (mw) CPU2-2 (s) 

t 0.15 0.2 0.15 0.2 
C17 0.15 0.2 0-15 0.2 
majority 0.38 0.3 0.38 0.3 
bl 0.39 0.3 0.39 0.3 
cml52a 0.95 0.5 0.95 0.5 
cm82a 0.85 0.8 0.85 0.8 
cmlSla 1.03 0.5 1.03 0.5 
cm42a 0.43 0.9 0.43 0.9 
tcon 0.74 0.7 0.74 0.7 
decod 0.74 0.8 0.74 0.8 
z4ml 1.65 1.4 1.65 1.4 
mux 2.73 0.9 2.73 0.9 
cml63a 1.49 1.6 1.49 1.6 
il 0.58 1.2 0.58 1.2 
cm85a 0.66 2.1 0.66 2.1 
pml 0.71 2.1 0.71 2.1 
cml62a 1-45 2.1 1.45 2 
x2 1.33 1.8 1.33 1.8 
cmlSOa 2.74 1.1 2.74 1.1 
cmb 0.75 2.6 0.75 2.3 
parity 3.59 0.9 3.59 0.9 
cu 0.4 3.5 0.4 3.3 
cc 2.01 2 2.01 2 
cordic 2 2-1 2 2.1 
pcle 0.71 3.5 0.71 3.5 
set 2.62 3.4 2.62 3.4 
Îm 2.99 6.4 2.99 6.4 

pclerS 1.51 4.3 1.51 4.2 
comp 1.61 5.9 1.71 5.7 
lal 1.32 5.7 1.32 5.5 
unreg 4.8 2.8 4.8 2.7 
b9 0.97 6.8 1.02 6.6 
i3 11.21 1.7 11.21 1.7 
c8 3.26 8.2 3.26 8.2 
frgl 1.34 10.5 1.47 9.6 
term! 1.87 14.3 1.87 13.5 
cht 4.24 6.8 4.24 6.9 

Table 8.3: Impacts of the window size of the static timing analysis on 
the perfonnance of the algorithxns for leakage power minimization. 
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cktName NP2-1 (mW) CPU2-1 (s) NP2-2 (mw) CPU2-2 (s) 

my-adder 1.96 17.3 1.96 14.7 
9symml 1.83 19.4 1.83 17.8 
i5 1.31 12.2 1.37 11.5 
ttt2 1.21 17.4 1.21 16.8 
i2 1.56 11.8 1.56 10.7 
apex7 1.61 18.5 1.61 18.2 
C432 5.9 29.2 5.9 27.6 
xl 2.22 21.4 2.22 20.8 
e3cample2 1.54 23.9 1.65 23.6 
tooJarge 2.57 49 2.87 41.4 
alu2 3.68 85.5 4.02 58.4 
x4 5.25 40.8 5.25 36 
C880 3.66 152.3 3.67 99.9 
i6 4.05 36 4.05 39.9 
C1908 7.08 180 7.44 106.5 
C499 19.92 43.7 19.92 41.1 
C1355 19.7 42.2 19.7 42.3 
vda 4.38 73.8 4.49 72.9 
19 14.62 114.8 14.61 106 
i7 8.05 63.8 8.05 62.5 
rot 2.3 123.9 2.47 107.8 
alu4 6.12 270.3 6.59 206.2 
t481 5.96 120.1 6.06 110.3 
C2670 2.59 242 2.67 199.7 
apex6 2.76 144.9 2.85 122.3 
x3 5.32 122.8 4.58 105.9 
frg2 6.19 189.2 6.19 162.9 
k2 8.27 263.9 9.33 181.9 
iS 17.32 241 17.32 230.2 
C3540 7.47 565 8.28 457.4 
dalu 6.66 591.8 7.29 464.8 
pair 7.98 519.2 8.71 436.9 
C5315 8.99 794.3 10.53 700.8 
ilO 7.99 2466.5 8.87 1588.2 
C6288 79.92 15307.5 87.4 7944.6 
des 24.18 2896.8 24.18 2445.6 
Average 5.18 356.5 5.39 225.2 

Table 8.3: Impacts of the window size of the static timing analysis on the perfonnance 
of the algorithms for leakage power minimization (cont'd). 
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8.5 Appendix in 

Lemma 8.1 eij is feasible if e/ < Sj {Sj > 0) and < §j {Si > 0), where 

€f = ATi + dfU) - ATj and e„ = RTi + df(J) - BTj. 

Proof: We only need to show that changing the Vt of Cij from to Vt^high will 

not msQce the Sj and Si negative. 

First, consider Sj, the slack of gate j. Let be the changes of arrival time at the 

output of gate j after increasing the Vt of Cij. According to the definition of AT (see 

Section 2.4), we have the following; 

The new slack of gate j after increasing the Vt of eij is simply Sj^jum = -^2} — {ATj + 

e^) = Sj — € .̂ Therefore if < Sj, then Sj,new > 0. Since Sj > 0, < 5j iff 

< Sj. Consequently, if e/ < Sj then changing the Vt of Cij to Vt^igh will not 

make the slack of gate j negative. 

Second, consider Si, the slack of gate i. Let 4 ̂ 6 changes of the required 

time of gate i after increasing the Vt of eij. According to the definition of RT (see 

Section 2.4), we have the following: 

0 HATi + dfij) < ATj 
(8.3) 

€/ otherwise. 

> (8.4) 
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The new slack of gate i after increasing the 14 of Cij is simply Si^new = (-RTi — 4) — 

ATi = Si — el,. Therefore if €5 < Sj, then Sj^„eu/ > 0. Since Si > 0, 4  ̂

iff £6 < 5j. Consequently, if < Sj then changing the Vt of eij to Vtjiigh will not 

make the slack of gate i negative. • 

Lenuna 8.2 Let C/ be a forward cut of a DAG G = (V, S). Let and Cijjj be 

any two edges in the set of forward cut edges. Then Ci^j^ is neither in the transitive 

fanin cone nor the transitive fanout cone of 

Proof: (By contradiction). We assume ei^j  ̂ is in the transitive fan-in cone of ei^j^. 

Since both edges belong to the forward cut C/ = (5, S), we have 11,12 C S and 

ii)j2 Q S. Because Ci^j  ̂ is in the transitive fan-in cone of there exists a path 

V from the node ji to i2.Let k be the number of edge(s) along the path. Note that 

k 0, otherwise if A: = 0 then ia = ji, which is impossible since iz and ji belong to 

two different disjoint sets of nodes. If A: = 1, the edge < ji,i2 > is the only edge on 

the path V. It is easy to see that the edge < ji, 22 > is a backward cut edge. This 

contradicts the assumption that C/ is a forward cut. If A: > 1, then there is more 

than one node on the path V. No matter how these nodes are partitioned into the 

set S and S, there miist be at leak one edge is a backward cut edge since the path 
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V starts from a node in S and ends at a node in S. Tliis contradicts the assiunption 

that C/ is a forward cut. • 

Lemma 8.3 Given a forward cut of the circuit graph G, changing the threshold voltage 

of all the forward cut edges that are feasible from Vtjow to VtMgfi increase 

the circuit delay. 

Proof: (By contradiction). We assume there are two feasible edges ei and 63 in 

the forward cut and change both of them from K^oid to Vtjtigh will result in timing 

violation. This can happen only if the change of delay on ei will affect the arrival 

or reqxiired time of 62 or vice versa since each individual can be changed from V^ow 

to Vt^igh without violate timing, according to the definition of feasible edges. In 

other words Ci is in the transitive fan-in or fan-out cone of e^- This contradicts the 

Lemma 8.2. • 

Proof of Lemma 8.4: Li the algorithm of Figure 8.2, each iteration consists of find

ing the maximum weighted level cut of the current graph. According to Lemma 8.3, 

all edges with positive weights in the level cut can be changed from Vtjiow to Vtjugh 

simultaneously without violate timing. After the changes, the timing information of 

all the nodes are updated by performing static timing analysis and all edge weights 

are re-evaluated, at step 15. If there is a level cut with positive weight in the next 

iteration, the edges with positive weights are added to the previous solution. This 
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is correct since the impacts of previous Vj updates on the timing have already been 

considered by performing timing analysis. This procedure repeated until the found 

maxcut at step 11 has weight of 0 which implies all the edges in the circuit have 0 

weights. According to the definition of the edge weight (Definition 8.3), eiU the edges 

at the termination of the algorithms either are or are V^,/ou, but change it from 

y^ow to Vtjiigh. will violate the timing constraints. Therefore the returned solution of 

algorithm of Figure 8.2 is the maximal set of edges whose threshold voltages can be 

simultaneously changed to Vtjugh. without increasing the delay. • 

Proof of Corollary 8.1: Directly from Lemma 8.4 and the definition of feasible 

edge (Definition 8.2). • 



CHAPTER 9 

An Investigation of Power Delay Trade-offs in the dual Vt 

CMOS Process 

In last chapter, it is shown that the availability of more than one threshold voltage 

on the same chip provides great opportunity for power and delay trade-ofEs. However 

only limited research work has been done in this new area [KCA97]. Most of the 

published work focused on the trade-ofe between leakage power dissipation and per

formance. Also due to the lack of real dual Vt process models and parameters, most of 

the published results were obtained from academic device models, which may be over 

simplified for ciirrent deep submicron technology. The newly released Rockwell 0.25 

/zm CMOS process with dual Vt option provided a good opportunity to study and 

imderstand the power and performance issues in the DTCMOS/MTCMOS. In this 

chapter, results of extensive HSPICE simulations are presented for the investigation 

of the impacts of dual Vt MOSFETs on the power and delay of some simple CMOS 

gates and circuits. The purpose of of this chapter is to raise some important issues 

which circuit designers and CAD tool developers must take into consideration if they 

try to take the advantage of this new technology. 
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9.1 Leakage Current of MOSFETs with Different Vt 

In the Rockwell 0.25/im process, the nominal values of the normal threshold volt

age of both PMOS and NMOS are around ±0.6v, which are referred as high Vt in the 

rest of the paper. The nominal values of the low threshold voltage of both PMOS 

and NMOS are around ±0.4v. The power supply voltage for the process is 2.5 volts. 

Figure 9.1 and Figure 9.3 show plots of leakage current versus channel width for 

p and n devices with threshold voltage at In each figure, each plot corresponds 

to a given number of MOSFETs connected in series. Figure 9.2 and Figure 9.4 show 

the same types of plots but with the threshold voltages of the p and n devices set to 

Vt .̂ Several important conclusions can be made from these plots. 

I-

Figure 9.1: Leakage current of different niimber of serial connected PMOS with Vt=-

0.6v 

1. The leakage currents of the p zmd n devices with Vtj are significantly larger 

than those with For the p devices, the difference ranges from 20X to 90X, 



197 

a 

Figure 9.2: Leakage current of different number of serial connected PMOS with Vt=-
0.4v 

Figure 9.3: Leakage current of different ntmiber of serial connected NMOS with 
Vt=0.6v 

Figure 9.4: Leakage current of different nimiber of serial connected NMOS with 
Vt=0.4v 
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depending on the channel width. For the n devices, the difference ranges from 

50X to 280X, again depending on the channel width. 

2. For the same channel width, the leakage cxirrent of an n device is significantly 

larger thsin that of a p device, by a factor of 6. 

3. The leakage current decreases significantly as the nimiber of MOSFETs con

nected in series increases. For example, for the p and n devices at Vtj, the 

leakage ciirrent of a single MOSFET is more than 10 times the leakage ciirrent 

of two MOSFETs in series, and this is about twice of the leakage current of 

three MOSFETs in series with all treinsistors having the same channel width. 

This result is consistent with the theoretical results presented in [GE96]. 

Note that for small channel widths (less than 4;im), the leakage current of the 

n devices with Vt  ̂ departs significantly from its linear dependence on the channel 

width. This is partly due to the shallow trench isolation (STI) of the 0.25^m process. 

Unlike LOCOS isolation where Vt increases with the increase of channel width, in STI 

the Vt may actually decrease as the channel width increases. Since leakage current 

increases exponentially as Vt decreases, it explains the extraordinarily high leakage 

current of the n devices at with small channel widths. 
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9.2 Impact of Low Vt MOSFETs on the Total Power Dissipation of CMOS 

Gates 

9.2.1 Leakage Power Dissipation 

For simplicity, in the rest of the chapter, when we say a gate is a low(high) Vt 

gate it means the gate is implemented with aU p and n devices at However 

a mixed Vt gate is a gate in which some of the devices have threshold voltages at 14^ 

and the others have low Vt^. 

Table 9.1, 9.2 and 9.3 illustrates the leakage power dissipation of simple CMOS 

gates for different input states. It can be seen that the leakage power dissipation of 

CMOS gates depends on both the function of the gate and the states of the inputs as 

well as the VJ. For example, for the low Vt NOR gate, the leakage power dissipation 

is maximum when both inputs are low. This is because given this input state, the 

leakage path consists of two n devices in parallel. For other input states, the leakage 

path is either a single n device or two p devices in series. The difference of the leakage 

power dissipation for different input states is as large as 100 times for a 2-input NOR 

gate. 

Using the same argument, we expect that For the 2-input NAND gate, the leakage 

current is maximum when both inputs are high where the leakage path consists of 

two p devices in parallel. However from the table it can be seen that the leakage 

power of this case is less than that of the case when one input is low and the other 
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Inverter (nW) 
in=(0) in=(l) 

High Vt 0.048 0.028 
Low Vt 3.149 0.487 

Table 9.1: Leakage power dissipation of low and high Vt CMOS inverter given different 
i n p u t  s t a t e .  L p = L n =  0 . 2 4 / i m .  W p  =  7 . 2 / z m  a n d  W n  =  5 . 6 f j m .  

2-input NAND (nW) 
in=(0,0) in=(0,l) in=(l,0) in=(l,l) 

ffigh Vt 0.011 0.024 0.029 0.028 
Low Vt 3.149 0.487 0.157 1.551 

Table 9.2: Leakage power dissipation of low and high Vt CMOS 2-input NAND gate 
given different input state. Lp=L„= 0.24/im. Wp = 2.8/im and Wn = 2.Sfj.m. 

2-input Nor (nW) 
in=(0,0) in=(0,l) in=(l,0) in=(l,l) 

ffigh Vt 0.049 0.023 0.014 0.011 
Low Vt 2.315 0.201 0.244 0.025 

Table 9.3: Leakage power dissipation of low and high Vt 2-input Nor CMOS gate 
given different input state. Lp=Ln= 0.24/im. Wp = Z.Sum and W„ = 2/im. 
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input is high. This is because in the later case the path leaking currents consists of a 

single n device and the leakage power dissipation of a single n device is much larger 

than that of a single p device, see Section 9.1. 

Table 9.4 shows the leakage power dissipation of mixed Vt inverters. Column 4(5) 

shows the mixed Vt inverter when one of the two devices is at Vt  ̂and the other is at 

When both devices Eire at Vt^, the leakage power is TnaYimnTn 

Leakage power (nW] 
AH high All low PMOS low NMOS low 

in=(0) 0.048 3.149 0.048 3.149 
in=(l) 0.028 0.487 0.487 0.028 

Table 9.4: Leakage power dissipation of a CMOS inverter with different combinations 
of Vt for each transistor. 

As a summary, the important observations in this section are: (1) The leakage 

power dissipation of a CMOS gate depends on the logic function of the gate. Partic

ularly, the gate with n devices in parallel is more vulnerable of large leakage power 

dissipation than the one without. (2) The average leakage power dissipation is also 

strongly depended on the input states. 

9.2.2 Short Circuit Power Dissipation 

It has been shown in the above section that MOSFETs with low Vt consxmae signif

icantly more leakage power than those with high Vt, especially for NMOS transistors. 

In this section we will focus on the impact of low Vt MOSFETs on the switching and 
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short circuit power dissipation of CMOS gates. We assume that the dual V't process 

does not introduce extra capacitance at the gate and parasitic capacitcinces at the 

drain and source area compared to the traditional single Vt process. Consequently, 

CMOS gates should consume the same no matter which Vt MOSFETs are used 

in the implementation. However, CMOS gates implemented with different Vj may 

differ significantly when the short circuit power dissipation (Pjc) is considered. 

To see why Pac increases as K is lowered, consider an output falling transition of a 

CMOS inverter. The n device is the driving device which removes the charges stored 

at the output load capacitor. Since the input slew is not zero in practice, the n device 

will also be on during the period of the input and output transition. The p device 

will be in the linear region initially and then transit into the saturation region and 

finally be turned off. When low Vt p and n devices are used, the duration when both 

n and p devices are on is increased which leads to greater total currents flowing firom 

Vdd to the groimd. Additionally, first order drain current models predict higher linear 

and saturation region drain currents given the same V  ̂and Vds for lower Vt. Both 

effects will increase the average short circuit current of CMOS gates implemented 

with lower Vt MOSFETs. 

Table 9.5 shows HSPICE simulations for Psc of a high Vt and a low Vt CMOS 

inverter. Each row in the Table 9.5 corresponds to a different combination of signal 

transition time and load capacitance. The first column shows the rising and falling 
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input 
slew load 

ffigh Vt Low Vt input 
slew load Piotal Pihort Ptotal Pihort 

(ns) (fF) (/.W) (fzW) i ^W)  (mW) 
0.5 10 33.83 13-10 60.53 38.72 

1 10 57.05 36.23 114.63 92.90 
2 10 106.25 85.48 224.53 202.83 
3 10 156.45 135.68 335.25 313.43 

0.5 50 54.70 8.91 77.58 30.89 
1 50 74.95 29.16 128.03 81.33 
2 50 120.68 74.85 234.70 187.98 
3 50 168.73 122.95 343.50 296.83 

0.5 100 83.50 6.54 102.95 25.01 
1 100 101.05 24.12 149.38 71.50 
2 100 143.08 66.13 251.75 173.85 
3 100 188.70 111.70 358.25 280.28 

0.5 200 143.55 4.07 158.63 18.18 
1 200 158.03 18.44 199.20 58.70 
2 200 194.60 55.05 293.75 153.28 
3 200 235.98 96.43 395.25 254.70 

0.5 1000 639.75 0.73 645.00 4.38 
1 1000 646.00 6.40 666.00 25.61 
2 1000 666.00 26.53 727.00 86.55 
3 1000 692.00 52.78 801.00 160.83 

Table 9.5: HSPICE simulation of Total and short circuit power of a CMOS inverter 
with low and high Vf. Lp=L„=0.24/im, Wp=7.2^m and W„=5.6^m. Vad=2.bv, 
/=100MH2. (All gates are randomly chosen from the Rockwell 0.25 /xm sjmthesizable 
library. The transistor sizes are the actual device sizes in the library.) 
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transition times at the input of the inverter. The second colnmn is the external load 

capacitances at the gate output. The third and fourth columns are the average total 

power and average short circuit power ^ for the high Vt inverter. The fifth and sixth 

colunms are the average total power and average short circuit power for the low Vj 

inverter. One clock cycle with the period of 10ns was simulated for each situation. 

Figure 9.5 presents the same data of Table 9.5 graphically. Each data point in 

the plot corresponds to a row in the Table 9.5. For comparison. Figure 9.6 shows 

the ratios of Pjc to for each inverter. Figure 9.5 and Figure 9.6 confirm that the 

total power increase of a low Vt inverter compsired to a high Vt inverter is due to 

the increase of the P^c- Figure 9.6 also shows that the short circuit power of the 

low Vt inverter with a slow input and small load capacitance become more significant 

compared to the Pd, which in turn implies a significant impact on the gate delay. This 

will be discussed further in next section. In summary, Vt has a significant impact on 

the short circuit power dissipation of CMOS inverters, especially for slow inputs and 

small load capacitances. A similar examination of the short circuit power dissipation 

for mixed Vt inverters is given in Section 9.3.2. 

^The short circuit currents of output falling and rising transition sire measured at the power 
supply and ground respectively. The average short circuit current is the integration of the total 
short circuit current over a clock period divided by the clock period. The average short circuit 
power dissipation is then simply a product of the average short drcuit current and the V^d-
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Figure 9.5: Short circuit power dissipation of a CMOS inverter with different VJ. 
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Figure 9.6: Ratio of P^c to for the inverter of low Vt and high Vf 
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9.3 Impacts of Low Vt MOSFETs on the Gate Delay-

In this section we will discuss the impact of using low VJ MOSFETs on the gate 

delays of CMOS inverters. Without loss of generality, we examine the inverter only 

since a CMOS gate can be reduced to some equivalent CMOS inverter given the 

input states. The observations obtained from the experiments on the inverters can 

be applied to other more complex CMOS gates. 

9.3.1 The Low Vt and High VJ CMOS Inverter 

Intuitively, a CMOS gate with lower Vt should be faster than the gate with higher 

Vt. However, due to the effects of short circuit currents, this is not alwa)  ̂true. 

Figure 9.7 and 9.8 show the propagation delay and output transition time for low 

and high Vt CMOS inverters. Figure 9.9 also shows the change in the propagation 

delay and output transition time for a low Vt inverter compared to a high Vt inverter. 

In these figures, each data point corresponds to the same combination of input tran

sition times and load capacitances as shown in Table 9.5. It can be seen that the low 

Vt inverter is always faster thein the high Vt inverter when the output is falling but 

may be slower for an output rising transition. As to the output transition time, there 

is not too much difference between the low Vt and high Vt inverter. However, the 

output transition time of low Vt inverter is higher than that of the high Vt inverter 

for small load capacitances and less for very large capacitances. 
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Figure 9.7: Propagation delay of output falling and rising transition for low and high 
Vt inverter. 
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Figure 9.8: Output transition time of output falling and rising transition for low and 
high Vt inverter. 
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Figure 9.9: Propagation delay and output transition time changes in percentage for 
low Vt inverter compared to the high Vt inverter. 

To understand why the low Vt inverter may be slower than the one with high Vt 

for output rising, we plotted the HSPICE simulation results for a particiilar input 

transition time and load capacitEuice. This is shown in Figure 9.10. 

In Figure 9.10, the Panel 1 shows the input and output voltage waveform for the 

low Vt inverter. The Panel 2 shows the cizrrent flowing through the n device for the 

low Vt and high Vt inverter, the Panel 3 shows the ctxrrent flowing through the p 

device for the low Vt auid high Vt inverter. The Panel 4 shows the actual measured 

current charging the load capacitor for the low VJ and and high Vt inverter. The 

Panel 5 is the current in Panel 3 minus the current in Panel 2 for each inverter. 

Ideally, the current waveform shown in Panel 4 should be identical to the current 

waveform in Panel 5. From Panels 2 to 5, the dotted lines are plotted for high Vt 
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Figure 9.10: Reasons for slower propagation delay of output rising for low Vt inverter. 
Input transition time = Ins and output load capacitance = 50 fF. 
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inverter and the solid lines axe plotted for the low VJ inverter. From Panels 4 and 

5 we can see that at the early stage when the output rises, the charging current to 

the output capacitor of high Vt inverter is larger than that of the low Vt inverter. 

The reason is that during the early transition period, the low Vt inverter has a higher 

short circuit current (flowing through the n device) than the high Vt inverter does 

(see also Section 9.2), while the currents of the p devices of the two inverters axe 

comparable ^ . Since the current actually charging the load capacitor is the p device 

current minus the n device current, we may find a smaller charging current for the low 

Vt inverter during this period. Figure 9.11, which shows a strong correlation of the 

increase in the short circuit current and the increase in the output rising propagation 

delay, confirms this argument. This figure also explains why the increase of output 

rising propagation delay of the low Vt inverter over the high Vt inverter is reduced 

with increased load capacitances. The reason is that with the increase of the load 

capacitances, short circuit power as percentage of switching power is reduced, see 

Figure 9.6, i.e. the short circuit current has less of an impact on the charging current 

of the load capacitor. 

For the input rising transition, the low Vt inverter is much faster than the high 

Vt one, about 41% faster. This is because the discharging current (flows through the 

n device) is much larger than the short circuit current (flows through the p device) 

^Note thcit, diiring the early trazisition period, the n device is in the strong linear region and the 
p device is in the weak saturation region. Therefore a small change at the gate input will lead to a 
larger change of the n device drain current than that of the p device's. The fact that low Vt device 
having larger drain current under the same gate bias makes the difference larger. 
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as a resTilt of superior conductivity of the n device and lower Vt. Consequently, the 

short circuit current has less of an impact when the load capacitor is Hisrharging 

o pefoentage of prepgalion delay d 
X P inersaseasperoeniageofP 

Oatapoitns 

Figure 9.11: Correlations between the percentage increase of the input rising propa
gation delay of low Vt inverter and the percentage increase of the Pjc as a percentage 
of the Pd 

9.3.2 The Mixed Vt Inverter 

Figures of 9.12 and 9.13 show the propagation delays of mixed Vt inverters. 

For comparison, the data of the low and high Vt inverters are also shown. From 

Figure 9.12, it can be seen that when the p device is low Vt eind the n device is 

high Vt, the propagation delay of output rising is smaller than both the high and 

the low Vt inverters, although the propagation delay of the output falling is much 

larger. The results of p device being low Vt and n device being high Vt are exactly the 

opposite, as shown in Figure 9.13. Combining these restJts, it can be concluded that 
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no matter which combination of the Vt is chosen for the inverter, the output rising 

and falling propagation delay can not be sped up at the same time with respect to 

the delays of the high Vt transistors. However, to achieve the smallest output falling 

propagation delay the inverter should be NMOS low Vt and PMOS high Vt. This 

results in an average of 56.1% delay improvement in the delay, which is better than 

the 41% improvement for the low Vt inverter. To achieve the smallest output rising 

propagation delay the inverter should have a high Vt n device and a low Vt p device. 

This results in an average of 15.6% improvement in the delay, which is much better 

than the 10% delay increase for the low Vt inverter. Since it has been shown that 

the short circuit power dissipation closely correlates with the delay degradation (see 

Figure 9.11), it is imderstandable that when the mixed Vt inverter is the fastest the 

corresponding short circuit power dissipation will also be the least for either output 

rising or falling transition. 

9.4 The Case Study of a CMOS D flip-flop 

Having discussed the power delay trade-oSs for MOSFETs and CMOS gates, we 

now investigate some similar issues for CMOS circuits. A simple DFF from a com

mercial synthesizable library (Rx)ckwell CL25 process) is selected for experiments. 

The schematic of the DFF is shown in Figure 9.14. The channel lengths are all 

and the channel widths are obtained by multiplying the size ratio by QA^im. 
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Figure 9.12: Propagation delay of output falling and rising transition for mixed Vt 
inverter where the PMOS transistor is low Vt and the NMOS trsinsistor is high Vt. 
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Figure 9.13: Propagation delay of output falling and rising transition for mixed K 
inverter where the NMOS transistor is low Vt and the PMOS transistor is high Vt. 
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For example, for the inverter with size ratios of 3/1:4/1, the channel widths of the p 

and n devices are 1.2/z7n £ind 1.6 fmi respectively. 

3/U/l 

\72TS 3N OB^CT plots 

Figure 9.14: A simple DFF from CL25 synthesizable library. 

In the experiments of this section, the combinations of input transition times and 

capacitances are the same as those in Sections 9.2 and 9.3. That is four different 

output load capacitances value are used and for each load capacitance value four 

different input signal transition times are simulated. The input signal is a ramp 

signsd. Again the operating frequency is chosen to be 100 MHz, which is large enough 

for all the signals to stabilize before the next transition. In the rest of this section, 

the term all high Vt DFF relates to the situation where all devices have high V^. 
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Similarly, the term all low Vt DFF relates to a D flip-flop where all devices having 

low Vt. The term mixed Vt DFF is used when both both high and low Vt devices are 

used. The motivation here is to find a mixed DFF implementation which is as fast 

as the all low Vt DFF with the least increase in power compared to all high Vt DFF. 

The selection of which devices to be high Vt and others to be low Vt are done 

manually. For simplicity, we assume the p and n devices of the same inverter have 

the same VJ. First we chose all pass transistors to be low Vt since they never have a 

leakage path from to the ground. Second we chose the inverters on the clock line 

to be low Vt since it determines the overedl speed of the DFF. We also chose the two 

forward inverters in the master stage to be low Vt since they are also on the critical 

path. The rest of the gates are high K-

Ctx liaing to Q fiBng pnnjijatli in datety CLK rising 10 Q rising pcopagatian delay 

At high V,. avmage - a.0133e-10 (s) 
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» » 
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Figure 9.15: Propagation delay of three different implementation of DFF (Clock to 
Q output). 
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Figure 9.16: Propagation delay of three diJBferent implementation of DFF (Clock to 
QN output). 
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Figure 9.17: Switching power of three different implementation of DFF. 
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Pleak 

All high Vt 0.23 nW 
AU low Vt 6.4 nW 
Mixed Vt 2.2 nW 

Table 9.6: Leakage power dissipation of three different implementation of DFF. 

Prom Figures 9.15 and 9.16 it can be seen that the mixed Vt DFF has almost the 

same propagation delay as that of the all low Vt DFF and about 20% faster than the 

all high Vt DFF. In terms of the switching power (Pac+Pd), the mixed Vt and all low 

Vt DFF have the same power dissipation. This is about 20% more than that of the 

all high Vt DFF. As to the leakage power, Table 9.6 shows that the mixed Vt DFF 

reduces the leakage power over the all low Vt DFF from 6.4 nW to about 2.2 nW, 

a 66% reduction. Note that the leakage power of all low Vt DFF is almost 30 times 

more than that of the all high Vt DFF. 

Unlike the combinational CMOS gates, the overall delay of a DFF is also depended 

on the setup time, in addition to the propagation delay. In Table 9.7 the setup times 

for the DFF are shown for the input transition time of Ins and load capacitance of 

25fF. Interestingly, the all low Vt DFF and mixed Vt DFF have larger setup time of 

storing a 0 than that of the all high Vt DFF. The reason is that the setup time is 

determined by both propagation delay of the input gates as well as the logic threshold 

value. For low Vt input gates, the logic threshold value is lower than the value of high 

Vt input gates. Therefore it is possible that for low Vt DFF the input signal needs to 
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be stable earlier than the high Vt DFF. As a result, we may have a larger setup time 

for using low Vt gates. 

setupO (ns) setupl (ns) 
AU high Vt 0.23 0.14 
All low Vt 0.26 0.12 
Mixed Vt 0.26 0.12 

Table 9.7: Setup time of three different implementation of DFF. 
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CHAPTER 10 

Future Directions 

10.1 Gate-level Pgw Optimization 

10.1.1 Combinational Circuits 

In Chapter 5 we presented rewiring techniques for reducing power dissipation 

in combinational logic circuits. Since the approach is based on logic implications, 

as opposed to -\TPG techniques [RKW96, PCSK96, BBH'''96], the procedures are 

very fast. The experimental results on both MCNC benchmark circuits and PowerPC 

circuits show that significant power reduction can be achieved with a very small delay 

penalty. We also described how tradeoffs between power and delay can be carried 

out after the transformations. These methods provide a great degree of freedom 

to include a variety of optimization criteria and to examine tradeoffs among them. 

There is an important difference between methods presented here and other local-

transformation based power reduction techniques. The goal here is not to find as 

many transformations as possible, but to find the most useful transformations. Each 
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transformation is based on the analysis of the switching activities of the gates. Only 

the transformations that will result in large power reductions are identified. 

Future directions of this work includes, but no limited to, (1) simultaneous power 

and delay trade-off using the rewiring technique; (2) extension of the idea to RTL level 

power minimization by switching activity reduction using redundant low switching 

activity signals. 

10.1.2 Sequential Circuits 

In Chapter 6, we presented a novel approach to minimize the power consumption 

of sequential circuits by sequential rewiring. The potential transformations are iden

tified by sequential logic implications with recursive learning capability. We showed 

that our transformations produce a delay safe replacement of the original circuit. Ex

perimental results show that the proposed techniques can handle very large designs 

easily which can not be handled by traditional sequential optimization techniques 

based on STGs. 

We expect that the proposed method should be more effective for high perfor

mance pipeline designs which have many latches. For these circuits, any advanced 

combinational optimization technique is difficult to apply due to the shallow logic 

between the latch boundaries. We believe that the sequential rewiring approach will 

become very effective for these types of circuits. 
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The experimental results confirm that to achieve further power reduction on se

quential circuits, it is very important to reduce the power dissipated on the clock 

distribution network. Some preliminary work has been done toward applying the 

sequential rewiring technique to clock signals to achieve a form of dynamic clock gat

ing. The idea is that, based on the input patterns, we may find a subset of latches 

which have low switching activity imder certain conditions. These conditions again 

can be foimd by sequential implication analysis. Therefore, when these conditions 

cire satisfied, the clock can be automatically disabled for these latches because there 

will be no transitions at the latch outputs. In our experiments, we find that almost 

90% of the latches have no transitions or very little switching activity under given 

input patterns. We believe the dynamic clock gating will be very effective under 

these circumstances. 

10.2 On Psc Modeling 

Power estimation and optimization for deep submicron CMOS logic circuits re

quires accurate modeling of short circuit power dissipation [BOI96]. In Chapter 7, 

we first presented a new computationally efficient model for the short circuit current 

of CMOS inverters that is quite accurate for the modem deep submicron technology. 

Experimental results show that the proposed model matches HSPICE simulation 

results much better than the traditional models. We then presented a new short 
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circuit power model for complex CMOS gates. Unlike the traditional models, the 

new model is a function of the relative delays of the input transitions of the CMOS 

gates. HSPICE simulations on a 2-input NAND gate with several input waveforms 

show that the new model is much more accurate than the traditional Pgc models 

for CMOS gates which are normally based on the worst case analysis. Since limited 

computation is required in the new models, these models can be used for accurate 

short circmt power estimation for modem VLSI circuits with millions of gates. 

Future directions of the work in this aiea, can be pursued in the following ways: 

(1) extension of the model to more complex CMOS gates, i.e. AOI gates; (2) solving 

the problem of estimation for simultaneous and opposite input switching; (3) 

utilizing the new models at the gate level for the short circmt power minimization of 

CMOS circuits. 

10.3 Static Power Minimization for Dual Vt Technology 

10.3.1 Challenges to Circuit Designers 

For standard cell library designers, the challenge is that how to design a new set of 

libraries which can provide the best power delay trade-oflfe in circuit design. From the 

experiments in Chapter 8.4, it is very clear that using lower Vt transistors the circuit 

performance can be improved as much as 50%, but the leakage power dissipation 

may go up 50 to 100 times. In addition to the leakage power dissipation, the short 
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circuit power dissipation is also significantly increased. For ciirrent technology, the 

leakage power dissipation is still much smaller than the switching power dissipation. 

However, in some applications, e.g. batteried and portable sj^ems, where the system 

may be in the idle mode most of the time, the overall energy consumed by the leakage 

currents may be more significant than the energy dissipated in the working mode. 

On the other hand, as the power supply voltage continues to be scaled down, the 

threshold voltage may be reduced to a point where the leakage power dissipation is 

at least comparable or higher than the switching power dissipation [GE96]. 

The experiments show that the impact of low Vt MOSFETs on the rising and 

falling delay of CMOS gates is different. By using low Vt NMOS transistors the 

output falling time will be significantly improved but the output rising time may 

increase slightly. As analyzed in the Chapter 9.3, this is mainly due to the large 

short circuit current during the output rising. No matter what combinations of the 

T^'s of the PMOS and NMOS are chosen of an inverter, either the rising or the falling 

delay will increase with respect to the case when both PMOS and NMOS are high Vt. 

On the other hand, the experiments also show that given the same channel width, the 

low Vt NMOS consimaes significant more leakage power than the low Vt PMOS. These 

two facts may imply that there may be alternate design styles for CMOS that might 

be better suited for the dual/multiple Vt technology. For example, for the NMOS 

domino logic since the performance is only determined by the NMOS transistors, by 
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using low Vt NMOS transistors, the performance may be significantly improved. On 

the other hajid, since NMOS consumes a lot of leakage power, this provides a larger 

room for power delay trade-oSs. Finally, there is no short circuit power dissipated 

in the dynamic logic. We believe that this is a very important and interesting area 

which is worthy of pursuing further. 

The experimental results in Chapter 9.4 show that good power delay trade-off can 

be achieved by selecting subsets of the transistors in the circuit to have different Vt. 

An interesting result from these experiments is that using all low Vt transistors does 

not necessary result in the fastest D flip-flop because of the possible increase of the 

setup time. 

However, there are some other issues are not discxissed for the dual Vt process which 

are also important and worth further investigation. For example, in the Chapter 9.4, 

we choose low Vt for all pass transistors. This may not be acceptable in the case 

when high coupling noise exists at the gate input. In this case using a lower Vt 

pass transistor may lead to malfimction of the circuit since the transistor may be 

tumed-on by the coupling noise. 

10.3.2 Challenges to CAD Tool Developers 

Compared to the challenges to the circuit designers raised by the new DTCOMS or 

MTCOMS technology, the challenges to the CAD tool developers are probably more 

significant. Some early work has been done in this area, ref. Chapter 8. However 
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most of these results axe based on simplified power and delay models. For example, 

the short circuit power is not included in the power evaluation. The idea of selecting 

transistors on the non-critical path to be high Vt is promising. But the design styles, 

e.g. CMOS or dynamic logic, should affect the algorithm design due to the reason 

pointed out in above section. 

Due to the fact that tising different VJ in a design will significantly affect the 

short circuit power dissipation, classical short circuit current or power and delay 

models may not be suitable to be used in the optimization algorithms. Most of 

the analytical delay models do not consider the short circuit current. Consequently 

only look-up table based delay and power models can provide the acciiracy needed 

in the dual/multiple Vt power or delay optimization algorithms. However this may 

significantly increase the running time of the algorithms as timing analysis become the 

bottleneck of the algorithms. The challenges are to develop efficient algorithms which 

are able to find useful transformations with minimnm costs of delay computation. 

The preliminary work on the idea of selectively choosing subset of transistors to 

be low or high Vt to minimize the static power dissipation under delay constraints 

is promising. However the so called "Dual Vt Selection" problem, ref. Chapter 8, 

should be investigated in a deeper and broader scope. For example the following new 

problems may be considered: (1) delay optimization with miniiniim leakage power 
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penalty given dual Vt technology; (2) simultaneously gate sizing and Vt selection for 

power delay trade-ofiis; (3) including the effects of dual Vt on the short circuit power. 

The availability of multiple Vt will also impact technology mapping algorithms. 

The new algorithms should also take the leakage power dissipation into consideration. 

For example, NOR gates should be avoided as much as possible since they are more 

vulnerable to the leakage power dissipation. 
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