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EFFECTS OF RANDOM FLυCTUATION NOISE ON FM AND FDM/FM RECEPTlON
By R. H. WACHSMAN and E. J. BAGHDADY

Summary. -A tutorial review and analysis of the effects of random
noise upon the output of a conventional FM demodulator is presented. The
mechanism by which these effects are produced is conveniently brought
out with the aid of phasor diagrams. Illustrative computations are given
of the smooth and impulsive components of the output noise and of output
signal-to-noise power ratios for various types of frequency modulation.
Various types of thresholds are pointed out and the practical signifi
cance of threshold reduction as a system desig_n optimization tool is
discussed.
1.01ntroduction. - In telemetry， as in all other applications of
communication techniques， the effects of random fluctuation noise upon the
signal demodulation process are an essential consideration for system
design， evaluation and optimization. The limitation on system perfor
mance imposed by this type of noise is usually expressed in terms of a
threshold that must be exceeded by signal amplitude or energy in order to
provide the desired quality of overall system performance. The definition
of this threshold depends upon the type of signal used， the method of
detection， the characteristics of the message， and the performance
criteria.
In satellite as well as other space and ground communications， expo
nent modulation (FM and PM) is highly desirable because of its "power
packing" efficiency， its amenability to a variety of effective disturbancesuppressing signal-processing techniques， 剖ld its promise of performance
and system design characteristics that are either absent or not achievable
with comparable overall system simplicity by other modulation methods.
However， exponent demodulators have been known to exhibit a rather high
threshold as a major price for improved performance.
Almost all of the circuits used in the early studies of the effects of
noise and interference on the reception of exponent-modulation signals
may be modeled by what we may call the.!deal conventional exponent de
modulato!'. By definition， this is an amplitude-insensitive device whose
output is directly proportional to the instantaneous phase or frequency of
the resultant excitation (sum of all signals and disturbances present) at its
input. Demodulators that may be ideally modeled in this way bring out the
full advantages of exponent modulation as long as the desired signal is
much larger than the disturbances present. However， their performance
when the disturbances are comparable to or exceed the desired signal in
strength has been the cause of many misconceptions about the inherent
limitations of systems based on exponent modulation. About the only real
practical advantages of conventional demodulators when the signal is of
sufficient strength is that they are generally simpler and easier to instru
ment reliably than the other types. However， in theoretical discussions，
the performance of a conventional demodulator offers a convenient refer
ence in the evaluation of other demodulation methods - this paper is
chiefly concerned with a tutorial review and analysis of the noise perfor
mance of conventional FM demodulators.
Mr. Wachsman and Dr. Baghdady are with ADCOM，

Inc.，

Cambridge， Mass.

An abstract of the effects of random noise upon the output of a con
ventional FM demodulator is presented in Section

2.0.

The mechanism by

which these effects are produced is conveniently brought out with the aid
of phasor diagrams in Section

3.0.

The smooth and impulsive components

of the output noise are then treated separately in Sections

4.0 5.0.
and

Illustrative computations of output signal-to-noise power ratios are pre
sented in Section

6.0

for various types of frequency modulation.

concept of "threshold" is finally explored in Section

7.0

The

and the practical

significance of threshold reduction as a system design optimization tool is
discussed.

2.0

Summary of Effects of Thermal Noise on FM Detection. - The

effects of thermal-type (or smooth) noise on FM reception can be
summarized as follows:
At very high S/N主坐坐呈(ratios of carrier power to total noise
power) at the input to a conventional (limiter-discriminator) FM demodu

lator. the output consists of an essentially undistorted replica of the wave

form that describes the instantaneous frequency fluctuations of the input
signal component. plus旦旦components of noise.

The first component of
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noise is smooth. but non-stationary. gaussian noise (if the input noise is
gaussian) with a power spectral density that varies with frequency. ω. in
accordance with
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Overall combined RF and IF frequency response
characteristic of the receiver (linear) stages
preceding the FM demodulator;
Center frequency of H if(jω) in rad/sec; and
The frequency response characteristic of the
combined lowpass filter action of the FM
discriminator lowpass circuit and the baseband
filter that follows the discriminator.

The second component of noise is impulsive in character and occurs with
such low probability that it is usually ignored in analog communications.
The probability of occurrence of this noise

泊.

however. often not small

enough to be ignored in digital communicati< ns (such as PCM/FM) where
�
averãge error-prObabilities of less than 10- 2 are a performa�ce
requirement.
As the input S/N ratio is reduced. important effects set in when the
input S/N ratio falls below about

10 dB.

First. the output ratio of signal

power to smooth noise power begins to show non-neg且gible departure from

且盟主!'

power.

dependence upon the input ratio of carrier power to total noise
Thus. the approximation of the smooth component of output noise

by gaussian statistics begins to break down rapidly.

Second. the proba

bility of occurrence of the impulses rises to the point where the number of
impulses occurring per unit time is sufficient for this component of noise
to dominate eventually.

Third. the increased number of impulses and

their overwhelming tendency to point toward zero output level results in a
progressively increasing depression of the output signal component by

1-

multiplying it in effect by the reduction factor
e﹒ρ. where ρ= (S/N)if'
Fourth. significant components of nonlinear interaction between message

waveform
andwaveform
noise beginsetstoin.appear; and， fifth， signi紅cant distortion of
the
message
Of all ofimpu1sive
the components
ofthenoise
anddistinguishable
distortion present
in the FMun
baseband，
noise
is
most
and
becomes
disputably
thebecause
most serious
at values of input S/N
ratio belownoiseaboutcompo-dB.
Fortunately，
of
its
distinguishability，
the
impulse
nent
can be forsignificantly
reduced
indown
the output
of a7 conventional
Fl\且discriminator
all
input
S/N
ratios
to
about
dB.
Below
that，
the
"impu1sesl
l
on
the
average
occur
so
frequent1y，
and
with
such
increased
durations，waveform.
that they effectively mask significant portions of the desired
message
Model andNoise.
of FManalysis
Analytical
Description
With to
CapturecanEffectbe given
Random
Fluctuation
A
simple
lend
theoretical
supporttheforusual
the type
ofofperformance
just described.
This
analysis
also
parallels
type
argument
employed
to
describe
the
capture
effect in conventional
envelope
andinexponent
demodulators
when
two
sinusoidal-type
signals
are
present
the
input.
But， throughout
first， we
set
up
the
basic
mathematical
expressions
that
we
shal1
employ
this paper.
3.1 Mathematical
be described
by Mode1. - A general exponent-modulation signal can
eexp(t) = Es sin[ωct+吵(t)]
andmodu1ation
Iþ(t) is directly
where ωc is theto thecarrier
frequency，
Es is ag(t)constant，
proportional
message
time
function
for
phase
and t。
the
time
integral
of
g(t)
for
frequency
modulation.
It
is
convenient
to
represent the total noise present within the receiver IF passband by
n. Jt) = nc.(t) sin ωtC nq(t) cosωCt
V(t) sin[ωct + �(t)]
where
the envelope
V(t)， slowly
phase �(t)，
and toamplitudes
nc(t)a narrowband
and nq(t) arenoise
time
functions
that
vary
(relative
cosω
t)
for
c
process
(i.e.，a small
a noisefraction
processof anywhosefrequency
spectrumcontained
occupiesin athisbandwidth
that
constitutes
spectrum).
For a narrowband
gaussian
noiseabout
process
of zero mean，
whose
spectral
density
function
is
symmetrical
ω
rad/sec，
V(t)
is
Rayleigh
disc
tributed，
�(t)
is
uniformly
distributed
over
and
and
n
(t)
c na(t)
are
indepcndent
gaussian
processes
having
zero
means
and
identical
spectral
density functions.
The resultant
of signal and noise at the output of the IF amplifier is
eif(t) = Es sin {ωct+吵(t)] + V(t) sin [ωct+￠(t}] (4)
bydiagrams
phasors，
Ifthetheproperties
signal andofnoise
components
in this sumwitharetherepresented
the
sum
can
be
interpreted
aid
of
phase
as illustrated
inremains
Figure weaker
1. Figure l(a) illustrates the situation in which
the
total
noise
than
the signal
(i.traces
e.， V(t)a <complete
aEs) overrota
time
interval
in
which
the
tip
of
the
noise
phasor
tion about the tip of the signal phasor. Fig叫e 1 (b) illustrates the
10

3.0

(1)

11 .

(2)

+

(3)

0 � � � 2霄，

situation in which the noise envelope V(t) exceeds Es while the noise
phasor is going through phase opposition to the signal phasor. In any
case， the resultant can be expressed in the form
e {t)=E A(t)sin[ω t+吵(t)+ e(t)]
c
if
S

(5)

where A(t) and e(t) are the envelope and phase disturbances introduced by
the noise (see Fi巳rre
A conventional exponent demodulator is now defined as a device whose
output is a voltage that varies linearly with the instantaneous phase devia
tion from ωct of eif(t)， for phase modulation， or with the derivative of that
phase deviation for Fl\ιThis output is independent of the instantaneous
value of the envelope of eif(t) as long as this envelope exceeds some
circuit operational threshold.
In the light of
(5)， the output of a conventional FM demodulator can
be expressed in the form

1 ).

Eq.

where

and

(t)
-，
。ut '

= K- L 'r +θ(r)l
- ， 'J t?!
[吵 (r)
' "

-

n _(r)
1" h且p

'

(6)

hn_(r) is the impulse response of the combined linear
tp
filter action intended for recoveringν(t) in the
demodulator output;
� denotes convolution evaluated at t;
t

K

is a proportionality constant.
If the filter represented by h.ep(t) passes 吵I(t) without distortion，
can be rewritten as
t

(t)z k[沙(t) +θ (r) � -ho
.e p
..• (r)]

r

(6)
(7)
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The determination of e(t) is facilitated by noting from the phasor
diagram that

e j[似

-的)]

t)

(8)

or， if expression (2) is used for the noise，
n (t)\
u . (t)
/n
- (t)
θ(t)
1+
e jlþ
的) eJ
一+j

=

1

=

with

n (t)

J U�"E )I

( ;"ES
\\

S /

+ x(t)+ jy(t)

(9)

n (t)

x(t)

主- cos吵(t) + 令一

y(t)

-

s

and

s

n (t)

毛一
s

訕。(t)+

訕。(t)

n (t)

告一
s

悶的)

(9a)

(9b)

Thus
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1m .en 以t) e

θ(t)
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where
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V(t)

z(t)

E
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S

je的
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(10)

+

j [�(t) -吵(t) ]
e

(10a)
(10b)

x(t)+ jy(t)

3.2 FM Capture with Random Noise. - 1n the situation illustrated in
Figure l(a)， the tip of the noise phasor makes a complete excursion
around the tip of the signal phasor without encircling the origin， O. This
signifies that the instantaneous phase of the resultant undergoes no net
change relative to the instantaneous phase抖。of the signal during the
excursion illustrated in Figure l(a). Consequently the average frequency
of the resultant of signal plus noise over the time interval required for the
complete excursion in Figure 1(a) is equal to the average (over the same
time interval) of the instantaneous frequency吵(t) of the signal.
However， in Figure 1(b)， as the instantaneous phase of the noise
relative to the signal goes through a complete change of 27T radians， the
instantaneous phase of the resultant undergoes the same change of 27T
radians relative to the signal. Consequently， the average frequency of the
resultant over the time interval required for the excursion in Figure 1(b)
is equal to the average (over the same time interval) of the instantaneous
frequency of the noise. The important thing in Figure 1(b) is not that
E 門 < V(t) during part of the time interval of the complete excursion， but
r品her the occurrence of the event E < V(t) overlapped with the event
s
�(t) -吵(t) =π土石， where ( is some small angle. If these two events do not
occur together to allow the encirclement of the origin of the signal phasor，
0， the average frequency of the resultant over the complete excursion
would remain exactly equal to the average of 心I (t) over the same interval.
Two extreme situations are of special interest. 1n the first， the signal
is much stronger than the noise， and one can assert that E
s V(t) almost
all of the time. 1n this case， the instantaneous phase of eif(t) is closely
approximated by
V(t)
(11)
ω t+￠(t)，王一sin [Ø(t) - �(t)]
s

>>

S

This shows that when the signal is much stronger than the noise， the
instantaneous phase of the resultant of signal plus noise is effectively
equal to the instantaneous phase of the signal with an added random phase
perturbation whose peak value almost never exceeds a small fraction of a
radian.
1n the second situation， the noise is much stronger than the signal， and
here the instantaneous phase of e (t) is c10sely approximated by
if

E

ω t+心(t)+
s

而言

叫仰)

-州]

This shows that when E s << V(t) almost all of the time， the modulation
怡 .• (t) is effectively masked by the noise on the average.

(12)

A capture phenomenon thus enables the signal to suppress the noise

when the signal is well above the noise. and it enables the noise to sup

press the signal when the noise is stronger. The character of the demodu

lator output is drastically changed in going from the extreme described by

Eq. (11) to the extreme described by Eq. (12).

As in the case of

CW

inter

ference. the demodulator output goes through a capture transition when the

signal and the noise are of "comparable strengths."

1n this capture tran

sition region. the character of the output changes rapidly from a condition

in which the desired message is dominant to one in which the noise is

dominant.

A quantitative estimate of what is meant by "comparable strengths" for

two such radica11y different types of signal as a sinusoid of constant

amplitude and a random-f1uctuation noise process is handicapped by the

fact that for the model noise processes usually assumed in theoretical

studies. the noise envelope V(t) does not have a well-defined "equivalent

peak value." Nevertheless. the theoretical models usually allow V(t) to

range between 0 and ∞only with a probabi1ity density function that fa11s off
rather rapidly toward zero after V exceeds a few times the rms value of
the noise.

One may thus arbitrari1y define some level that would. in the

long run. not be exceeded by V more than a small percentage of the time.

the exact value of this percentage depending upon what is judged tolerable

for a particular application.
As

an

important illustration. we note that on the basis of numerous

experimenta1 observations. noise of the type generated in receiver front

ends has been judged variously to have an equivalent pe品value of between
3 and

4

times the rms va1ue of the noise.

缸. in search of theoretical

corroboration. we model the noise by a narrowband gaussian process. we

find that the probability that the noise envelope
" y exceeds c times the
rms value，N rmy of the noise is given by rd/2. Thus ， for narmwband
gaussian noise. V may be expected to exceed 3Nrms 1.111 percent of the

time. and 4Nrms 0.034 percent of the time. If we arbitrarily specify the
equivalent peak va1ue as the value which V(t) may exceed for less than 0.1

percent of the time. such a va1ue turns out to be approximately 3.7 Nrms'
or about 8.4 dB. The factor that
At this threshold.的INhf =
multiplie s Nrm to yield the equiva1ent peak value is usually ca11ed "the
s
peak factor" of the noise. Experimental "guesses" of the peak factor of

6.85.

front-end noise seem to cluster around a value of 3.7.

n

For a 叫rrowband gaussian noise process of mean squared value N; ms'
probability
that the noise envelope value at any instant of time (t • say)
the
1
exceeds the signal amplitude. E ' is given by
s
p

(

V

t

where
ρ

=

(S/N)

1

if

>ES)
=

=

e

-ρ

2 .___2
E /2t
q r III S
S

( 13)

(14)

This probability is strict1y nonzero for any finite value of ρ. Similarly.
the event that the instantaneous phase difference �t - øt goes through the
interval
� I �+t_ ...t. _

-�

1

-怡1 < 宵 + �
'1

I

has a nonzero probability represented by
P[π- f:三|￠t -h | < 宵+ f:] ，
1 I

呵i
4L
的
V
44
4，iv
，而Y

and given by the area between the horizontal axis and the probability
density function
p￠.../ (x) � P.I.(X)，
吵
己
of
between宵- ( and宵+ if P� �X � and Pø.(X'>. ��e :�e �r?babi�ty de��ity f�nctions of �t and靴， and �， t and lbt are statistically
independent.. The value of
depends upon the average value of the instantaneous frequency difference，
I�' (t) _lþt(t) 1， during an excursion interval， being higher for greater values
of the instantaneous frequency difference. Therefore， even for high values
of ρ ， there is a nonzero probability given by
(14)
e-ρP[ 霄，ES|￠t -h|<宵+ f:]

f::

f:

that an encirclement of the origin of the signal phasor will be experienced
by the tip of the resultant of signal plus noise. But for high (S/N)丘， the
angle ( must usually be a small fraction of 21T and the excess of Vt over
E s can very rarely be large. Consequently， when an encirclement of 0 in
Fi忍.lre 1 occurs for a large (SjN) if ， it must mostly occur in a very short
time relative to a complete-excursion interval (see Figures 2 and 3). Such
encirclements will be manifested by nearly abrupt phase jumps of up to 21T，
which in turn correspond to impulsive instantaneous-frequency disturbances of area up to 21T each. Instantaneous frequency ttspikestt will also
result when the tip of the noise phasor sweeps slightly to the right of 0，
without encircling O. Such spikes will enclose an area of up toπ(see
Figures 2 and 3). An abrupt phase jump of magnitude宵 will also result
from zero crossings of the resultant amplitudeA(t)， although these
occurrences are rare.
The ttspikedtt FM disturbances just described have very characteristic
behavior. The fact that the average frequency of the resultant over a
complete excursion of the tip of the noise phasor must equal the average
instantaneous frequency of the noise during that interval when an encircle
ment of 0 in Figure 1 occurs suggests that the frequency ttspikestt must
generally point toward the average frequency of the noise， name旬，ω f
Also， since the noise phasor will turn faster relative to the signal phasor
wh�n the :Iaveragett value of the instantaneous frequency difference
I�‘(t) -φ.(t) I becomes higher， the probability of an encirclement while
V(t) E S is greater when the instantaneous frequency deviation of the sig
nal is near its peaks. Finally， as (SjN )if is reduced to lower and lower
values， the larger excesses of V(t) over E S should become more and more
probable. Consequently， the encirclements of 0 should generally cause
slower phase transitions and hence less spiked frequency disturbances at
the lower values of (S/N) if﹒ The increasing dwell time near the average
frequency， ωc， of the noise over more and more consecutive excursion
intervals at low values of (S/N)if causes increasingly significant distortion
in the detected signal modulation.

>

The impulsive component of the FM baseband noise can be effectively
reduced. The suppression techniques are worthy of brief consideration
here. First. the two well-known techniques of saturation clipping and
complete circuit interruption for the duration of an impu1se -- which are
of signific缸lt value in combatting RF impu1sive bursts prior to demodula
tion -- are ru1ed out in the FM baseband for the following reasons:
(a) The FM baseband impulses are usually oriented
toward zero voltage. and hence conventional
saturation clipping is out of the question whereas
circuit disruption may actually increase the
severity of the "hole" introduced by the impu1se
by increasing its depth and widening it.
(b) The most probable impu1ses are limited in their
intensity to an area of +21T or -21T. which is
comparable to or smaller than the deviation
ratios of interest in most FM systems.
Therefore the difference in levels between signal
and impu1ses is insufficient for effective
application of conventional saturation clipping or
of interruption techniques.
The interesting approaches to combatting Fl\在baseband impu1ses can
be termed the impulse-to-doublet conversion technique and the i旦旦且豆豆
actuated holding or clipping technique.
In the impu1se-to-doublet conversion techniqu�， each impu1se when it
occurs is automa位cally converted to a doublet by a nonlinear circuit.
Mathematical勻， a doublet is given by the derivative of the impulse.
Therefore， since the spectral density of the impulse is f1at (a constant)
over all frequencies down_ to and including 0 Hz， the power spectral density
of a doublet varies withω2 and is therefo;e zero atω= 0 and rises para
bolically as I w I is increased. This means that for a baseband signal
whose spectrum extends from near zero to a few kHz， the conversion
from impu1se to doublet would actually reduce the spectral density of the
noise significant1y in the manner that FM demodulation actually reduces
the spectral density of any input noise in going from IF to baseband.
If the desired signal，吵I (t)， 的the output of the FM discriminator is
changing only slowly during the duration of the impulsive disturbance， the
impulsive disturbance can be rejected by holding the output signal at the
level of its instantaneous value at time immediately prior to the occurrence of the impulse. In this w呵， continuous transmission of the baseband waveform妙1 (t) 131 (t) is maintained呈王三三且during the times of the
impulsive disturbances. At these times an impulse-actuated "hold" circuit
holds the output constant.

+

4.0 Analysis of Smooth Noise Component. - The discussion in the
preceding section highlighted the fact that the noise in the FM discrimi
nator output consists of
a Ilsmooth" compοnent -- i. e.. a component that
delivers its power at a uniform rate characteristic
of continuous random-f1uctuation phenomena -
and
a呈型坐立component that occurs in "punches" that
grow on the average more and more impulsive
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but less and less frequent as (SjN)if grows very
large， and more impulsive and frequent as the
average value of the instantaneous freq uency
difference， �'(t) -吵'(t)， becomes larger.
Each of these two components of the output noise will now be examined in
some detail.
Consider first the smooth component of the output FM noise. We go
back to Eq. (10) and note that when Izl < 1， _Qn (l+z) may be expanded in a

1 2 .;;.
1 3z z -.;;. z-+
(15)
2
3
The probability that 1 z 1 < 1 ìs (l - e-ρ) where ρis again the SjN
ratio in the IF bandwidth. For ρ=5， (l-e-ρ)勾0.993， while for
1 ，
(1 -e - P)起0.99995. It is the fact that 1 z 1 < 1 greater than 99 percent of the
time (for
5) that justifies considering the output noise as consisting of
_Qn (l + 乞 )=

ρ= 0

ρ>

the sum of a smooth noise component and an impulsive noise component.
When the smooth noise component of the output is dominant， the con 
tribution is primarily from the leading term in the above series. Considering only this leading term for simplicity， we write
'-'
θ(t)向θ_ (t)
s

= J ' -' =
{
.---l-'-')
e'

三 1m

z

y(t)

(t)}

n (t)

- �
E

s

(t)

n
sin心(t) +� cos吵(t)
E
s

- --- .，.. ， -，

(16)

Our objective now is to compute the power spectral density of e�(t)， the
smooth noise component of
(t). This spectral density function- is given
by the Fourier transform of the autocorrelation function of 札(t)， which is
in turn the negative of the second derivative of the autocorre]ation function
of es(t). Therefore， the power spectral density of e�(t) is
times the
power spectral density of θs(t).

w4

。(t)θT) = �
(t-+s
s

E�

S

""7
(
(t"'
) -s i-n吵(t) + n. (t) cos 仰)\
- n-_-:
c
\q
/

x (\ _

-nc(t + T) sin φ(t+T) + n

q

(t

+

T) cos 心(t+ T)\

J

(17)

= 主 { n.Jt) n，Jt
- +i)石布了三川(t + T)
E-

S

+

-

n (t) n (t
q
q

+

T) cos圳t) cos圳t+T)}，

(18)

In going from (17) to (18) we have made use of the fact that nc(t) and n q(t)
are statistically independent of each other and of 吵(t). We now make u- se
of the fact that
n (t) n (t + T)
to writeEq. (18) as

(t+T)
θ ωθ
-S
U
只

=

=

n (t) n (t +T)
q
q

(

�2 Wn(T) 州州+T)吋(t)]
E一

S

)

(19)

where
wn(T)

= nc(t) nc(t+ T)

=

nq(t) nq(t+T)

= 已( 2W(f+ fJcoS(WT)
df
C

(20)
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The autocorrelation function of es(t)， and hence the power spectral
density of es(T) ， depends on the statistics of the modulation through the
multiplicative term
(c叫 Iþ (t T) - 吵圳仰州州(仇ω叫tο圳}川l
in Eq. (19). For large index FM where the bandwidth required to accom
modate the modulated carrier is much larger than the bandwidth of the
modulating signal 吵'(t)， the effect of the term
(c叫“t+ T) - 吵(t) ] )
on the autocorrelation function ofθs(t) is small， since in this case九(T) is
口luch narrower than
(c叫心(t T) - 吵仰州州(“的叫t)叫)門]
which is equal to one for t出he small values of T t出ha叫t wnμ(T吋) is n∞ot neg斟li培gi出bl勾y
small. Since it is for large -index FM that the FM modulation method
produces significant SNR improvement (above threshold) over other
common forms of modulation， such as the several types ofAM modulation，
we shall only consider this case. Consequently，

+

+

θs(t)

e -(t+ T) 記 -_6EL- wn--(7)
S

(21)

S

and the spectral density ofθs(t) is approximately
w s(f) 笠 二1三 ω2 2W(f + f c)
s
(single-sided)

(22)
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5.0Analysis of the Impulsive Noise Component of the Output. - As
mentioned previously， impulses at the output of the FM discriminator are
caused by encirclements of the origin， 0， in Figure 1 by the tip of the
noise phasor turning about the tip of the signal phasor. Further illustra
tion is provided in Figure 4. In this figure two paths of the tip of the
normalized signal-plus-noise vector which result in an "impulse" in e'(t)
的the output of the discriminator are shown. In path 1， e(t) increases by
approximately 271"， whereas in path 2θ(t) decreases by approximately 2π.
Because these paths pass c10se tοthe origin， θ(t) increases (or decreases)
in almost step-like manner. The result is a sharp narrow pulse in e' (t)
which we refer to as an "impulse. The phase step produced by path is
positive -going， which yields a frequency "impulsell of positive area
approximately 271". The area under the frequency impulse corresponding
to path 2 is -271".
We assume for purposes of computing the probability of occurrence of
an impulse， that an impulse occurs every time thatθ(t) increases or
decreases出rough an odd multiple of仇 Fol1owing Rice's formulation， we
observe that the event 1 1θ(t) increasing through 71" between time t and t dt"
corresponds tοthe situation at time t in which the noise components x(t)
an

11

1

+

and y(t)， and their time derivatives， x' (t) and y' (t) lie simultaneously
within the fol1owing ranges
-∞<x <-li-∞<x <∞;O〈Y <-Y dtJ-∞〈Y <O
t
t
t
t
t

(23)

<

1n defining this compound event，the requirement -∞<xt -1 ensures that
the signal axis is crossed on the negative �ide so that the origin is indeed
cncirc1ed. The second requirement -∞<xi<∞ ref1ects the fact that it
does not matter whether x(t) is increasing or decreasing when the signal
axis is crossed. The requirement that -∞<.Yt. < 0 ensures that O(t) is
increasing， whi1e the requiremen� �<yt<-yi dt e�sur�s伽t the signal axis
is crossed within the time interval from t tõ t + dt. Thus，the probabi1ity of
the compound event defined in Eq. (23) is ^
，
�
∞
Y d .
f-l d x
f
x
Y )
dy p(x
，
dY J
，
(24)
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whcr可p(呵，呵，Y t' Yt) is the joint probability density function of xt'門，丸，
and Yt. We shall indicate how to evaluate (24) and relate it to N�， the
average v宇lue of the number of positive impulses per unit time for a given
value of吭﹒ N-， the average v alue of the number of negative impulses per
，
upit time for a given value of吭， may be obtained from N+ by changing
ψ t�..-ø� w�e�ever it a?_pear� iri \he ex♀r?SSion for Tq+t
We begin by expanding p( 呵，呵，吭，yt) in a Taylor series in Y t about
yt= 0， and integrating over yt in (24). We obtain
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dx
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^
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t

(25)

to first order in the infinitesimal quantity dt. Next， we observe that
(a) thc probability of the occurrence of a positivegoing impu1se during the time interval from t to
t + dt， E q. (25)，is proportional to dt;
(b) the probability of occurrence of such an impu1se
in the interval from t to t
dt is much less than the
probability of its non-occurrence; and
(c) the probability of more than one such impulse
occurring during the time interval from t
t + dt
is essentially zero.
Under these conditions， the number of times that such an impulse occurs
over a finite interval of time obeys poisson statistics. Specifically， if
probabi1ity of the occurrence of one such impulse in the time interval from
t to t + dt is denoted入+缸， the average number of such impulses per unit
time， N+ ，is equal to入+﹒ Therefore， the quantity evaluated in Eq. (25) is
precisely N+dt.
Since
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are statistically independent gaussian random variables，their joint
probability density function is
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2
fWifω(f - fc) df
(27)
WIf的df
f
is the square of the radius of gyration (in radians) of the power spectral
density Wif(f) of the input noise about the carrier frequency f c﹒As
indicated in Eq. (27)， Wif(f) is a "single-sided" spectral density (i. e.，
combines the entire spectral density of the noise process on the positive
frequency side).
From Eqs. (9a) and (9b)， we may transform from the variables appear
叫in Eq.(26) to伽Xt， y戶�， y� variables to obtain
1 可21
. 1\2 1 I 1
2 1 I1
r 2
. 2 -p l x; + Yt +--Z(xt 寸的.) + 一三(yt+ Xtl/!t ) I
r
I(28)
p(Xt，X�'Yt'y�) = 一千古 e
r
(2叫r
If we set yt equal to zero in Eq. (28)， and perform the integrations
indicated in Eq. (25) we obtain
N+=i{磊) � (1+叫/2 [1_叮f(布可有)] - u e-p [ 1 erf叫)]
(29)
where u=心/r. We obtain N_ by changing u to -u in Eq. (29). Thus，
1 2
(1 + u2) / il m 叫阿] + u e- ρ [ 1+肘f(4)]
N_ =計
(30)
It is useful to study the functions
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L HU2)1/2 eρ[1 - erf(�(l+u2) )] + u erf(叫

(32)
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These are plotted for u> 0 and =
ρ 25， 16， 9， and 4 in Figure 5. We can see
from these curves that as u increases (N_+N+) approaches
-ρ
的“- N+) = (工) e u
This means that N_ approaches

c，'ff

c，'ff

(之)
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(The roles of N+ and N_
approaches zero as u increases (u
+
are interchanged when u<O.) The polarities of the impulses are pre
dominantly opposite to the polarity of the modulation. This net unbalance
in the number of positive and negative-going impulses as a function of the
modulation，叫， results in a modulation depression effect in which the
average or expectation of吵， + e' (averaged over the noise) is {1 - e-ρ)功，
However， since (1 - e圍內is approximately
for ρ= 5，this modulation
depression effect is negligible for the range of input signal-to-noise power
ratio，ρ，for which our model of the discriminator output noise is valid.
and N
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From the assumption that the impulses obey Poisson statistics and
have areas of土2霄， the power spectral density of the impulse component of
the noise at the output of the discriminator at zero frequency may be
shown to be (single-sided)

(33)

where the average is over the modulation. rf the impulses were truly
ideal (of infinite缸nplitude and zero duration) the power spectral density
Wr{f) would extend out to infinite frequency. However，since the impulses
are not ideal，the power density spectrum of the impulse component of the
noise at the output of the discriminator will fall off at higher frequencies.
At lower frequencies， and，in particular， over the bandwidth of the modu
lation， W {f) is assumed to be constant as a function of frequency and equal
T
to Wr{O). - We indicate how the average over the modulation in (N_ +N+)
may be computed for several types of modulation signals in the next
section.

6.0

Some Examples of SNR Computations for Various Modulating
旦旦且呈. - We shall consider three types of modulating signals:
(1) a sinusoidal modulating signal;
(2) a gaussian distributed modulating signal; and

a modulating signal consisting of n sinusoidal
tones which may in turn be FM (or PM) modulated.
For simplicity of computation we assume a rectangular IF spectrum of
is the highest frequency in Iþ' (t). and k is
bandwidth Bif 2恥 ，whereω
a constant cEOsen tFensure thEthe IF bandwidth is sufficiently wide
pass the FM-modulated carrier without significant distοrtion. rn selecting
k we mak e use of Carson's bandwidth rule that

(3)

=

to
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=
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2 k.ω

m =

2{t..ω+ω

}radians/sec
m

(34)

where t.ω is the maximum frequency deviation.

For such an IF spectrum，the power density spectrum W(f+f ) is (for
c
ω<kω m)
W
so that
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(36)

The noise power from ω= 0 toω=ωm resulting from the smooth noise
component of the output is
2
ω
ω
dω
1
1
m
，
，.， = (一)一 一一一
___ (f)一
= 4If 心 W
(37)
2何
2ρ 3 /但+ 1
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Sinusoida1 modu1ating signa1: Here心'(t) is
吵 (t)

t:.ω cosω t

=

= mω
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I

cosω t
口1

(38)

where m = t:.ω/ω m is known as the modu1ation index. rn this case Eq. (37)
becomes
2
ωm
1
1
N S (2ρ) 3 (m + 1)
(39)
The radius of gyration， r， of the rectan恩ùar spectrum is
kω
(m+ 1)ω
r= m
口
1

Jτ

so that umax lS

t

J吉

(40)

l/!max
Aω
m，J3
(41 )
ax
r
m+1
To compute ( +N+) we first note that for u greater than about 0.4
(for ρ>4) (see Fi巳lre 5)
N+但O and 札記.$- e- ρ
(42a)

u

口1

r

N_

已4 7r

For u $ 0.4，

-ρ
N 戶~二生
(42b)
27-e
r
Since I u I is greater than 0.4 approximately 85 percent of the time for the
case of a sinusoida1 modu1ating signa1 with umax何./3' (m is assumed
1arge)， and since most of the impu1ses occur near the peaks of松I(t) (near
u = umax>' we sha11 use the above approximations for all u in computing
(N +N+). We obtain
N 目。
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W r(f) = 8π2頁_+ N+) = 8mωm e ρ
The noise power from these impu1ses from ω= 0 toω=ωm is

(43)
(44)

(45)

The total output noise power fromω = 0 toω =ωm is
ω2m
24
L . + -:.� m(m +1) ρ e 1'1J
(46)
N_ N_ + N IT = (2
/<'1_\')
:'.+1)
，\ f1
(m
ρ) 3;
1r
1 m2ω2 )
The output siglumtomnoise power ratio is therefore {with SO =互
m
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This is plotted for m
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and ρ> 5(7b) in Figure 6. A1so p10tted in Figure 6

24
7IIl(IIl +1) ρ e for m= and ρ > 5.
2) Gaussian modulating signa1: Here 吵(t) is from a乞ero mean gaussian
process and has a maximum frequency ofω radians/sec. We choose the
variance of ￠『(t) so that the output signal power is the same as for the case
of the sinusoidal modu1ating signa1.
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吵
We assume that the peak factor (ratio of peak power to average power) of
the gaussian modulation is 1 0 dB. so that the maximum frequency devia
tion is J昂σ怡，. The constant k is therefore
k = (../5 m+ 1)
(49)
The radius of gyration. r. is
kω
的m+1) ω m
r =
(50)
τ
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and u口lax is
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We compute (N_+N+) by averaging (N_+ N+) statistically.
，
(N_+N+) f∞(N -+N +) p( 4 ) d妙
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where p(lþ) d心 is given by
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For la叮rg酹e ρ we may make use of the asympt切ot位ic expansion
川1

叫1 - erf (石古)] = 豆豆 1 1拉 克 +. . .1 (55)

If we retain only the leading term in Eq. (55) and integrate the first half of
Eq. (56) by parts we obtain
1 2
2
-ρ泣起丘y / = iJ5m+1) (2旦) e - P(立全丘 /
e
(56)
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The noise power from these impulses fromω= 0 toω=ω

m

(57)

is

1
')
+ ')"，，，\
叫 /， 2
1-'(.二一二三
- e _，，/1
二= ;:. (J5 m 1)ω m
N_1 = W_(f)至
i �7r J3
\ 7rρ/

，..，..， ')

_

(58)

+

The total output noise power from ω= 0 toω=ω
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The output sigldato-noise power ratio is therefore (SO=互mωm )
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This �s plotted for m
and ρ� 5 (7 dB) in Figure
The additional term
6/5m乙in the denominator of (8o/No) in Figure 7 is the first -order
correction obtained by evaluatiñg
N
ol
1

(主) = = 5+

in Eq. (19). "\月!e also plot
in Figure
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3) Multitone case: Here吵(t) consists of the sum of n sinusoidal tones
which may in turn be FM (or PM) modulated.
n
砂(t) = .Q=) /::，.ω晶n cos(ω'晶n t +札(t)
(61 )
晶
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With n � 4， and the /::，.ωk equal (or approximately equa日 ， 吵 (t) is approxi
mately gaussian amplitude distributed with variance σ去， given by
n 2 1
1
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(62)
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Here ωm is the highest modulating frequency in松(t)， and m is defined by
Eq. (62).
Making use of the results of the previous case， the total output noise
power density spectrum over the bandwidth of the modulation is
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The signal power at the output of the且 th tone recovery filter whose noise
bandwidth is B且radians/sec is
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Assuming that the spectrum W。(f) is essentially constant and equal to
W ，... (fo ) over the tone filter noise bandwidth B o ， the signal-to-noise power
ra1io� at the output of the kth tone filter is
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This signal-to-noise ratio may be used as the input SNR to the _e th tone
FM discriminator (or PM demodulator) in order to determine its output
SNR. For BoX -<<ωW ， the statistics of the noise into the _eth tone Fl\在discriminator (or PMmdemodulator) may be assumed gaussian and the output
SNR of the _eth tone FM discriminator may be computed in the manner
indicated in this paper.
7.0 Types and Significance of Noise Threshold. - The concept of a
"threshold" implies
(a) a recognition of the existence of more than one
adjoining mode of behavior， grade of performance
or state of affairs， and
(b) that a point can be defined marking， with
specified approximation， the completion of a
transition from one set of conditions to another.
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Thus， a quantitative analysis of the noise threshold of a demodulator
requires a precise definition of the conditions ushered by the "threshold.
A few such conditions will now be considered， and the corresponding
thresholds estimated. This discussion should illustrate the degree of
arbitrariness that may generally surround the definition of a threshold，
and the dependence of the definition upon the special interests of the
definer.
7.1 Threshold of Improvement Over Linear Modulation. - This
threshold is of interest because it marks the level of IF S/N ratio above
which the baseband S/N ratio of the exponent-modulation receiver would
exceed the baseba吋 S/N ratio of a linear-modulation system， under
comparable conditions of IF signal and noise， with wideband exponent
modulation operation. At this threshold， we speak of the signal and the
noise as being of "comparable" strengths or of "equivalent" amplitudes.
A quantitative estimate of about 8 dB was given in Section 3 . 2 for this
threshold.
7.2 Threshold of Linear Output vs. Input S/N . - This threshold is of
special interest in the analysis of the noise performance of conventional
exponent demodulators because:
(a) in Fl\丘， this is the threshold of achieving the "full"
improvement attributable tοwideband operation;
(b) above this threshold the demodulator treats the sum
of signal and noise in an essentially "linear" manner
except for the occasional impulse that may occur in
the output， which in a sense corresponds to occasional
impulse-noise-like behavior of the thermal noise in
the IF passband; and
(c) the assumption of operation above this threshold
provides great analytical convenience in the analysis
of frequency-compressive feedback and phase-locked
loop demodulators.
It can be shown that practical estimates for this threshold are:
的jN )if 7 dB for phase demodulators
10 dB for conventional FM demodulator.
These estimates are based on a 10 percent departure from linear behavior.
One frequently encounters published theoretical and experimental
curves in which demodulator output SjN power ratio is plotted as a func
tion of input SjN ratio for values of the latter down to well below the
threshold of linear dependence. Such data must be treated with the
greatest caution because the normal interpretations of the significance of
the output signal-to-noise power ratio over the linear portion of the curve
may break down completely below the threshold of linearity. Specifically，
in FM demodulation， it is important to realize that when the ìmpulsive
component of the output noìse does ìndeed become sìgnificant (ì. e. ， the
probabìlìty of havìng an ìmpulse ìs not too low)， the whole matter of how
to treat the various output noìse components in relation to the desired
baseband signal must be reconsidered. Specifically， the sìgnìficance of
"total noìse power" as obtained by adding the average powers of the
various noise components is defìnitely questionable . The impulsive
component of the noise affects the usefulness of the output signal
in a manner that is quite distinct from that of the other noise
11

11

11

==

components. N watts of average impulsive power cannot be equated to
(or otherwise treated in the same manner as) N watts of average power of
random fluctuation noise or N watts of average power of nonlinear distοr
tion components. Therefore the meaning of an S/N ratio in which the
average noise power is taken as the su口1 of the average powers in the
impu1sive and other components of output noise is doubtful， and it
definitely does not reflect the same performance quality or characteristics as 叩 equal value of S/N ratio when only random fluctuation noise. or
only impu1sive noise. is present.
The various disturbances in the noise capture transition region and
below affect the baseband signal in characteristically distinct ways. and
therefore their powers cannot be considered of equivalent significance and
additive with equal weightin��.
7.3 Threshold of "Acceptable Performance''. - In many applications
still another threshold is usually specified which may， in general. fall
anywhere relative to the other thresholds， but is often chosen well above
these thresholds in the region of high S/N performance. For convenience
such a threshold may be termed the threshold of acceptable performance.
Such a threshold is usually dictated by a specification of a maximum
tοlerable error probability or the lowest tolerable quality of received
audio or video information.
In this connection， it is interesting to point out that the main advantage
usually sought in wideband FM is that. for most current communications，
it is perhaps the simplest system (involving special signal design) for
lowering the threshold for achieving a desired high quality of performance.
But， as we noted earlier， the conventional (or Armstrong-type) FM tech
nique. provides the reduction in the " high-performance" threshold to a
degree that is severely limited by a corresponding rise in the " threshold
of full improvement. " The high S/N performance improves with increased
frequency deviation until the associated increase in required receiver IF
bandwidth raises the threshold of fu11 improvement to the level of the
high-performance threshold. Techniques for holding the threshold of full
improvement essentially fixed at the same time that the high S/N perfor 
mance is raised， and tech叫ques for achieving better high S/N performance
with a lower attendant threshold of fUll improvement are feasible and
highly desirable.
7.4 Bearing of Threshold Reduction on Telemetry System Desigr1. The concept of threshold reduction is usually understood to mean an
extension of the region in which output S/N is related linear句 to input S/N
below the point at which this type of relationship breaks down for a conventional FM demodu1ator. Otherwise， the high S/N performance is not
affected. One might therefore inquire what good this type of performance
extension is when the threshold of acceptable performance falls well above
the nonlinear parts of the output-input S/N characteristic. The answer is
that this threshold reduction capability may be used in combination with an
increase in the frequency deviation at the transmitter in order tο reflect
some of this improvement dìrectly into the high S/N performance with or
without some saving of transmitter power. For example. with the aid of a
threshold reduction technique. we may trade increased signal bandwidth for
a reduction in transmitter power without affecting the threshold of
acceptable performance (which is assumed to fall at or above the

threshold of full improvement). When reducing transmitter power， one
must， of course， guard against increasing the system sensitivity to disturbances other than additive random-fluctuation noise. Alternately， with
the aid of a threshold reduction technique， we may trade increased signal
bandwidth for improvement of the high SjN performance keeping fixed the
transmitter power and receiver threshold of linear output-input S jN
characteristic. The extent to which such achievements may be realized
depends， however， upon the threshold -reduction technique employed at
the receiver.
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Figure 1. Phasor representations of signal plus noise

Figure 2.

Figure 3. Waveforms of 2(t) and 2'(t) for Paths 1 and 2 of Fig. 2.

Figure 4. Normalized Signal Plus Noise Vector Diagram Illustrating
How Impulses Are Produced

Figure 5.

Figure 6. (So/ No) for a sinusoidal modulating signal with modulation
index = 5.

Figure 7. (So/No) for a Gaussian modulating signal
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Summary The problem of phase nonlinearities in telemetry-receiving systems is
studied. The principal data-degrading effect is shown to be intermodulation distortion of
FDM telemetry signals. Another form of data degradation, namely, intersymbol
interference in TDM telemetry signals, is found not to be related directly to phase
nonlinearities, but rather to the transient response of the receiving system.
The noise-loading technique is introduced as an effective means of characterizing,
analyzing and measuring intermodulation distortion. Some analytical results are cited
relating the amount of intermodulation distortion to signal and receiving-system
parameters. Analytical details are omitted, the emphasis being placed on interpreting the
significance of the results to the telemetry systems engineer. The experimental
verification of these relationships is briefly reviewed.
The results are used to establish quantitative tradeoffs between the performance
parameters of receiving systems. These tradeoffs are then used in formulating methods of
specification and design to ensure high data quality.
1. Introduction The need for increased reliability and accuracy in the extraction of
telemetry data under adverse conditions has become acute with the increased magnitude
and complexity of spacecraft missions. It is known that nonlinearities in the phase
characteristics of receivers and recorders can produce data distortion, but until recently
very little effort has been devoted to determining the quantitative relationships between
phase nonlinearities and data degradation.
Figure 1 illustrates the general configuration of a typical telemetry-receiving system.
Several subsystems depicted in this figure incorporate filters that may distort the

telemetry data because of their nonlinear phase characteristics. We use the generic term
predetection filters to refer to all these filters. The functions of predetection filters can be
seen from Fig. 1 to be:
a)
b)
c)

to reduce the total additive noise power appearing at the demodulator input,
to reject interfering signals from adjacent telemetry bands, and
to reject undesired mixer and converter products.

All these functions are best achieved by narrowing the filter bandwidth as far as possible
without causing undue degradation of the telemetry data. It is customary to specify the
amplitude characteristic of the desired filter without much regard to the associated phase
characteristic (or equivalently, group delay). And yet it is well-known that the phase
characteristic can exhibit gross nonlinearities, especially at the edges of the passband,
resulting in data degradation. It is essential that the telemetry

Fig. 1 Typical Telemetry Receiving System.
(*Asterisks mark locations of predetection filters).
a) The noise caused by additive receiver and antenna noise is a well-known
phenomenon. Characteristic of this type of output noise is the fact that it is relatively
independent of the video signal and will always occur even when all channels are empty.
In the following we will assume that the received signal strength is so large that the
effects of additive noise can be ignored.
b) Interchannel crosstalk is caused by imperfect filtering, and can be analytically
evaluated by applying simple linear system theory. In the case of FDM video signals,

interchannel crosstalk in a given channel consists mainly of components from the two
adjacent channels which are not sufficiently attenuated by the skirts of the given channel
filter. The TDM case is discussed in Section 4.
The interchannel crosstalk in FDM signals can be easily observed separately from
intermodulation distortion by placing the multiplexer back to back with the
demultiplexer and loading only those two channels adjacent to the observed (empty)
channel. Intermodulation distortion is negligible under these conditions.
c) Intermodulation distortion is caused by nonlinearities in the telemetry system. By
nonlinearity we mean here any operation which creates spectral components in the video
output that were absent in the video input. A frequency modulator is inherently
nonlinear, even though it may have a perfectly linear voltage-to-frequency characteristic,
because it spreads the spectrum of the modulating signal in the process of transferring it
to a higher frequency band. Similarly, a common RF filter inserted in the receiver
between a frequency modulator and a frequency demodulator has a nonlinear effect on
the data and produces intermodulation distortion of the video signal. The
intermodulation distortion in a channel is very much dependent (in a complicated way)
on the signals in all the other channels and will essentially vanish if all other channels
are empty.
The following sources of intermodulation distortion may occur in an angle-modulation
telemetry system:
a)
b)
c)
d)
e)
f)
g)
h)

nonlinearities in baseband and multiplex circuits,
FM or PM modulator nonlinearity,
predetection filtering at the receiver system,
antenna feeder mismatch at the transmitter or receiver,
multipath effects in the propagation medium (e.g., f requency-selective fading),
FM or PM demodulator nonlinearity,
time-base fluctuations in the predetection recorder/reproducer (wow and flutter),
and finally,
FM-to-AM conversion in predetection filters, followed by AM-to-video
conversion by dernodulators (incorporating limiters) that are not completely
amplitude insensitive.

The primary subject of this paper is nonlinear phase characteristics in receiving systems
and their effects on telemetry data quality. Thus, of the sources listed in a) to h) above,
we are primarily concerned with intermodulation distortion caused by predetection
filters. This is usually the major contributor to intermodulation distortion.

3. Filtering of Angle-Modulated Signals In this and the next few sections we discuss
the mechanisms by which predetection filters produce intermodulation distortion, and
cite some quantitative results relating the amount of intermodulation - distortion to signal
and receiving- system parameters. It is beyond the scope or intent of this paper to present
elaborate mathematical analyses. The underlying analyses and details are available
elsewhere [1, 2]. Since these analyses have a range of applicability beyond telemetry
systems, extending to any system employing an angle-modulated signal, their publication
belongs to other more appropriate forums. Here, some results are cited without proof or
derivation, the emphasis being placed on interpreting their significance to the telemetry
system engineer.
The conventional approach to the problem of phase characteristics and their effects on
message transmission has been to evaluate the distortion of the RF (or IF) signal, and
then to attempt to relate this distortion to data (or message) degradation. We believe that
the results of the second step in this approach have been inconclusive, which accounts
for the complete lack of design information that relates phase characteristics and data
quality. We take a novel approach to the problem, at least in the telemetry context, and
demonstrate that it yields the desired design information. The novel approach directly
relates video signal degradation to phase characteristics, completely bypassing the RF
distortion problem.
The form of the transfer relation between input and output video signal, and hence the
nature of the distortion mechanism in an angle-modulation system depends on the
deviation ratio involved. We recognize three distinct cases which correspond to low,
high and medium deviation ratios respectively:
Case I: Low-Deviation Angle Modulation By low-deviation angle modulation (FM
or PM) of the carrier is meant the case in which the resulting phase deviation is small
compared to one radian. An FM deviation ratio much smaller than unity satisfies this
condition. The transmitted signal can then be viewed as the result of a linear modulation
operation very similar to amplitude modulation. A predetection filter has a linearfiltering effect on the modulation just like a video filter. Thus, no intermodulation
distortion is caused by the predetection filter, irrespective of its phase characteristic.
Case II: The Quasi-Stationary Case The quasi- stationary case is met when the
video bandwidth is much smaller than the predetection-filter bandwidth. This is the case
if the FM deviation ratio (or the phase deviation) is much greater than unity. The phase
modulation at the output of the predetection filter may then be expressed as
(1)

or the output frequency modulation as
(2)

where

N(t) is the input phase modulation,
x(t) is the input frequency modulation
(normalized to unity mean square)
Tc
is the carrier angular frequency
Te
is the rms angular frequency deviation
M(T) is the phase characteristic of the predetection filter

The instantaneous frequency of the FM signal may be viewed as tracing the phase
characteristic of the predetection filter. The distortion is represented by the second terms
in Eqs. (1) and (2), and is entirely determined by the (memoryless) nonlinearities in the
filter phase characteristics M(T). It is not affected by the filter amplitude characteristic.
The distortion mechanism is thus memoryless nonlinearity.
Case III: General Angle Modulation By deriving the rather complex transfer
relation for a general angle-modulation system, it can be shown that general angle
modulation is fundamentally a nonlinear modulation technique, and that predetection
filtering introduces memory in such a system. Thus the distortion mechanism is
nonlinearity with memory. We find that the entire transfer function of the filter (i.e., both
its amplitude and phase response) is involved in the intermodulation distortion
mechanism. The general case is particularly applicable to intermediate values of
deviation ratio (in the order of unity), where the ratio of filter bandwidth to message
bandwidth is not much larger than unity.
4. Intersymbol Interference in TDM We must distinguish between two forms of
pulse-distortion which can be produced in TDM telemetry systems by the predetection or
video filters in the system. The first, called self-distortion, refers to any deterministic
distortion of the video pulse shape observable within the nominal time-slot of the pulse.
It is well-known that the phase characteristics of the filters, whether predetection or
video, can contribute significantly to the self-distortion. On the other hand, all
techniques for the extraction of information from pulses rely either on the area of the
pulse, or on the magnitude of the pulse at a given instant within the pulse duration. Thus
the effects of self-distortion on the output information waveforms can be readily
corrected by appropriate calibration of the pulse detection circuits.
The second form of distortion, called intersymbol interference, refers to any distortion of
the video pulse shape caused by spillover (or crosstalk) from the preceding pulse or

pulses. In contrast to self-distortion, intersymbol interference effects are not
deterministic because they depend on the pulse sequence preceding the given pulse, and
hence cannot be corrected by simple calibration. We identify intersymbol interference as
the primary mechanism by which pre-detection filters may degrade TDM telemetry data.
Strictly speaking, intersymbol interference in TDM telemetry can be caused by linear
phenomena in video and predetection filters, as well as by nonlinear phenomena in
predetection filters. If the causal phenomenon is linear, we may refer to the interference
as interchannel crosstalk, whereas if it is nonlinear the resulting interference properly
belongs to intermodulation distortion. The three cases (corresponding to different ranges
of deviation ratio) discussed in the preceding section give rise to different possibilities
for intersymbol interference in TDM. telemetry. We summarize the three cases below.
In Case I, we found that the predetection filter was actually performing linear filtering.
Thus there is no possibility of intermodulation distortion. The only intersymbol
interference is interchannel crosstalk, which is directly related to the transient response
of the predetection and video filters, rather than to their phase characteristics.
In Case II, we found that the predetection filter acts as a memoryless nonlinearity.
Therefore, a TDM video signal suffers self-distortion from the nonlinear phase
characteristic, but no intersymbol interference.
In Case III the intersymbol interference incurred by a TDM video signal is directly
determined by the duration of the transient response of the predetection filter rather than
by its phase characteristic. Thus it is neither necessary nor straightforward to relate the
intersymbol interference to the phase characteristic. For this reason, the remainder of this
paper will emphasize the FDM case.
5. Spectral Characterization of Intermodulation Distortion The obvious way to
measure overall intermodulation distortion in a telemetry system is to connect the output
of the transmitter via an attenuator to the input of the receiver. (This, of course, will not
take into account the distortion caused by the antenna feeders and the propagation
medium.) Then all but one of the data channels are fed with appropriate signals and the
output power of the empty channel is measured. Since the output from the empty channel
is only intermodulation distortion (assuming negligible interchannel crosstalk), one can
compute an intermodulation noise-to-signal power ratio (I/S ratio) for the particular data
channel by dividing the measurement obtained in the unloaded channel by the signal
power measured when the particular data channel is fully loaded. From the
measurements of the I/S ratio for each channel a bar graph can be plotted showing the I/S
ratio versus the frequency location of the channel in the video spectrum.

In order to simplify and standardize the measurement of intermodulation noise, the video
signal at the input to the FM modulator is conveniently simulated by a gaussian noise
process covering the bandwidth of the video signal. It can be shown that the statistical
properties of gaussian noise are very similar to a complex multichannel (FDM) video
signal. Thus it is meaningful to simulate the video signal in a telemetry system by a
gaussian process. When this noise-loading technique is used, it is necessary to shape the
power-density spectrum of the applied noise signal with a filter so that the resulting
signal has approximately the same power-density spectrum as the actual video signal.
Figure 2 shows a block diagram of the noise-loading technique. In order that the
intermodulation distortion noise at the demodulator output be measured, an “empty
channel” has to be simulated in the input spectrum by a narrowband reject filter (see
Fig. 3). The power measured in a corresponding narrow bandpass filter at the output
constitutes the intermodulation distortion noise power. By switching out the reject filter
it is possible to measure the signal power in the bandpass filter and compute the I/S ratio.
If this measurement is performed for different video frequencies a curve of I/S density
ratio versus video frequency can be constructed as shown in Fig. 4. This curve exhibits
the increased intermodulation noise with the video frequency commonly encountered in
FM systems.

Fig. 2. Noise-loading Technique for Measurement
of Intermodulation Distortion
In addition to being analytically convenient, the noise-loading approach greatly
simplifies experimental verification. Intermodulation distortion tests can be standardized
and the measurements easily reproduced. In contrast, we believe that the customary
method of simulating the video signal by a set of unmodulated subcarriers is inadequate.
It is both mathematically intractable (except in the trivial case of one or two subcarriers)
and experimentally cumbersome.
Because of the relative simplicity of the noise-loading test it is very common to specify
intermodulation distortion in terms of a gaussian noise input signal (as, for example, in
FDM/FM telephony). It would be very useful to be able to predict the amount of
intermodulation distortion in a given system caused by a given phase nonlinearity, so
that the susceptibility of the design to this type of distortion could be determined prior to
the construction of the equipment. In the next few sections we present some approximate

Fig. 3.

a) Amplitude Characteristic of Spectral-shaping
Filter for the Noise-loading Technique.
b) Amplitude Characteristic of Narrowband “Slot” Filter.

Fig. 4. Typical Curve of Intermodulation Noise-to-signal
Ratio vs Video Frequency.

results for evaluating the intermodulation distortion spectrum in terms of the parameters
of the filter and the video signal. Extensive laboratory measurements have demonstrated
the adequacy of these results for telemetry applications.
6. Distortion Spectrum in the Quasi-Stationary Case A power- series expansion of the
nonlinear phase characteristic M(T) is employed, of the form
(3)

where we defined B as half the bandwidth of the predetection filter (in rad/sec), and c. as
the power-series coefficients. Beginning with Eqs. (2) and (3) it is then possible to show
that the ratio of intermodulation-distortion power to signal power is given approximately
by
(4)

where

The assumptions employed in the derivation of Eq. (4) are that:
a)
b)
c)

The quasi- stationary condition holds, i.e. ä / B << 1.
The filter phase characteristic is symmetrical about the center frequency, i.e.
M(Tc - T) = M(Tc + T).
The third-order distortion term represented by Eq. (4) predominates over otherorder terms.

These assumptions turn out to be justifiable in most telemetry situations.
We have in Eq. (4) a powerful result relating the intermodulation-distortion spectrum to
the parameters of the filter and the video signal. The spectrum of the input video signal
appears only in the form of a double convolution. The factor in which this appears

(5)
completely determines the shape of the distortion spectrum over the video band. The
effect of input spectral shape on distortion spectral shape is discussed in the next section.
The magnitude of the distortion is determined in part by the factor
(6)

which involves only the normalized video bandwidth (ä)/B) and the normalized rms
deviation (Te/B). The other factor determining the magnitude is
(7)

which involves the filter phase coefficients in conjunction with.the normalized rms
deviation. The type of filter influences the magnitude of the distortion spectrum solely
through this factor. Section 8 presents this factor for the various filter tvpes commonly
used in telemetry systems.
The three factors identified above (Eqs. (5) through (7)) maybe obtained readily in
decibels and added to obtain the I/S ratio. The first factor (Eq. (5)) can be taken directly
from Fig. 6 for any desired value of V . The second factor (Eq. (6)) requires only a rapid
calculation and conversion to dB’s. The third factor (Eq. (7)) is tabulated in Sec. 8 for
various filter types and for selected values of
. Interpolation may give
sufficient accuracy for intermediate values of
; if not, the coefficients ci, available
elsewhere [1, 2] , have to be used in direct calculation.
7. The Effect of Video Spectrum Shape In Eq. (5) of the preceding section we
identified the factor which determines the shape of the I/S curve of the video band. In
this section we consider two possible input spectra and calculate the shape of the
resulting I/S curves. The two input spectra are shown in Fig. 5. The rectangular spectrum
results when a rectangular video spectrum is applied directly to the FM transmitter. The
parabolic spectrum results when a rectangular video spectrum is passed through an ideal
preemphasis network before FM modulation. (Alternately, it represents applying a
rectangular video spectrum directly to a PM modulator.) Both spectra are normalized to
have unit area in the (S, L) plane and hence unity power in the video signal.

Fig. 5. Rectangular and Parabolic Input Spectra.
The curves shown in Fig. 6 are plots of Eq. (5) for the two cases. As can be seen, ideal
preemphasis has reduced distortion at the upper end of the video band by a few dB. This
may be significant when a peak I/S criterion is to be met. However, this has been at the
cost of significantly higher distortion at the lower video frequencies. The cross-over
point where the two spectra yield equal distortion is about L = 0.7.
More complicated preemphasis schemes are frequently employed in telemetry systems. It
is difficult to evaluate the resulting distortion spectra in closed form; but results can
readily be obtained by performing the double convolutions on a digital computer.
Nevertheless, results obtained for a rectangular spectrum should be considered
representative for most practical situations.

8. The Effect of Filter Type In this section we tabulate the values of the distortion
factor defined by the series representation of Eq. (7). This factor depends only upon the
type (e. g., Butterworth) and order of the filter, and upon the normalized rms deviation
Te/B. We consider three types of filters commonly employed in telemetry receivers;

namely Butterworth filters of various orders, Bessel filters of various orders, and doubletuned circuits with various coupling coefficients.
The factor in Eq. (7) above is presented in dB to facilitate combining it with the other
two factors to determine the I/S ratio, as explained in detail in Section 6. Notice that this
distortion factor is a function of the ratio of the rms frequency deviation Te to the filter
half-bandwidth B, so a set of values for a range of Te/B is given in each case. As Te/B
increases, more and more terms in the infinite sum of Eq. (7) are needed to obtain an
accurate estimate of the factor in question. The computation of the power-series
coefficients {ci} is a mathematically simple but increasingly tedious operation, so we had
to content ourselves with a small number of coefficients. This accounts for the
convergence inaccuracies indicated in Tables 1-3 by asterisks. The entries under shape
factor and normalized noise bandwidth will be explained in Section II below in the
discussion of tradeoffs in filter design.
Table 1
PERFORMANCE TRADEOFFS FOR
BUTTERWORTH FILTERS

Table 2
PERFORMANCE TRADEOFFS FOR
BESSEL FILTERS

Table 3
PERFORMANCE TRADEOFFS FOR
DOUBLE- TUNED CIRCUITS

* Inaccurate due to limited number of terms available
** Not accurate enough to cite.

Fortunately, most telemetry situations employ values of (Te/B) not in excess of 0.3,
where the tabulated results are generally satisfactory. On the other hand, this factor could
be more accurately computed using the Hermite-polynomials technique presented in refs.
1 and 2 and aided by a digital computer. No convergence problems would arise in this
case. In fact, this alternate procedure should be employed in the study of more advanced
filter designs.
Inspection of Tables 1-3 leads to some interesting conclusions about the distortion
properties of the various types of filters:
a)
b)
c)

d)

The distortion produced by Butterworth filters increases rather slowly with the
filter order.
Bessel filters yield vastly superior distortion performance, because they are
designed to have maximally-flat group delay (or maximally linear phase).
A look at the detailed computations for Bessel filters reveals that low distortion is
strongly dependent on precise alignment, i.e., slight misalignment can greatly
degrade the distortion performance from that indicated in Table 2.
Double-tuned circuits achieve their lowest distortion at a coupling coefficient
around 0. 6, even though the corresponding amplitude characteristic is relatively
peaked rather than flat.

9. Accumulation of Distortion When the bandwidth restriction of a receiver is
performed by a single predetection filter, it is a simple matter to look up the appropriate
factors described in the preceding sections, and using them to determine the I/S ratio.
However, frequently two or more filter stages, usually of identical design, are used in
cascade. In this case obtaining suitable phase coefficients for the distortion computation
is not so straight-forward.
As might be expected, the calculations can be simplified considerably in the case where
all stages are identical. It has been found that the overall I/S ratio is k2 times the I/S ratio
which would be calculated for an individual stage, where k is the number of identical
stages. In other words, we make the calculation assuming one of the individual stages is
present and then multiply by k2. This result is easily verified by noting that the distortion
waveforms produced by each stage are identical. These waveforms accumulate
coherently (i.e. add in voltage) so that the overall distortion waveform is k times that
produced by one stage. Therefore the overall distortion power is k2 times the individual
distortion power.
An important source of distortion usually present in an angle modulation system is
nonlinearity in the modulator-demodulator pair (modern). In telemetry systems, modem
distortion is often of the same order of magnitude as filter distortion. It has been proven

that modem distortion and filter distortion are uncorrelated, hence they accumulate
noncoherently (i.e. add in power). This result is particularly useful in the correction of
I/S measurements for residual distortion in the noise-loading test setup.
To understand the application of this result, let us consider a typical laboratory situation.
An I/S measurement PT of a predetection filter is made. Then the filter is removed and
the measurement repeated, giving a reading P1 due to the modem alone. Both readings PT
and P1 are in dB’s. Now it is desired to calculate the I/S due to the filter alone, call it P2 .
Now we know from the above that
(8)
To save many conversions from dB’s to numerical values and vice-versa, the nomograph
of Fig. 7 may be used. The difference between PT and P1 in dB’s is used to enter the
nomograph in the vertical axis. Then the difference between P1 and the desired value P2
can be read in dB’s on the horizontal axis.

Fig. 7. Nomograph for Noncoherent Accumulation of Distortion.
10. Experimental Verification of the Quasi-Stationary Results Extensive
laboratory measurements have been conducted by the authors in order to establish the
validity of the quasi-stationary results presented in the previous sections [1] . Here we
present some selected measurements which illustrate the agreement between theory and
experiment. All measurements presented have been corrected to remove the
contributions to the intermodulation distortion caused by modem nonlinearities. The

filters under test were second-order Butterworth filters (or critically coupled doubletuned circuits). The input video spectrum in these tests was rectangular.
In the first test we present, A the deviation Te was held constant and the maximum video
frequency ä/2B was adjusted to 40, 85, and 200 kHz. In each case the I/S ratio was
measured at various notch locations to determine the I/S spectrum. The experimental
points are shown in Fig. 8; the analytical predictions are also plotted for the three values
of ä. Comparison shows good agreement even for the largest value of ä, thus verifying
the results of Secs. 6 through 8. The largest value of ä selected represents a normalized
maximum video frequency ä/B of approximately unity. It is at such high values ä that
we might expect the quasi-stationary solution to break down and non-quasi-stationary
effects to appear. However, this does not appear to be the case for ä/B up to unity,
indicating that the quasi-stationary approximation yields satisfactory results under
typical telemetry conditions.

Fig. 8. Measured and Predicted Distortion-to-Signal Ratios for Different
Maximum Video Frequencies, Second-Order Butterworth Filters.
The second test to be cited here investigates the effect of cascading of identical filters.
For fixed maximum video frequency and deviation, I/S measurements were made with
two identical filters, separately and in cascade. The results (taken with two different
notch locations) are plotted in Fig. 9 together with the analytical predictions. The
analytical curves are separated by 6 dB since k2 = 4. Agreement with theory is once again
excellent, verifying the results of Sec. 9.

Fig. 9. Distortion-to-Signal Ratio of a Cascade
of Second-Order Butterworth Filters.
Other experimental measurements not cited here have been obtained with many other
filter types, including higher-order Butterworth and Bessel designs found in commercial
telemetry receivers, as well as with predetection recorder/reproducers and up/down
converters. The results conclusively verify the quasi- stationary results under a variety of
telemetry conditions. Distortion levels at band edge ranging from -50 dB to -20 dB were
encountered. The degrading effects of filter misalignment were also observed.
11. Performance Tradeoff s for Predetection Filters In Sections 5 through 10 we
have concentrated on intermodulation distortion in predetection filters. We have
developed analytic tools for predicting this distortion, thereby making it possible for the
designer to control distortion levels. However, distortion is only one of the measures of
performance of a predetection filter; a good design must perform other functions as well
as minimizing intermodulation distortion. This brings us to the subject of this section:
what are the tradeoffs involved between distortion level on the one hand and other filter
performance requirements on the other? To answer this question we will first discuss the
various functions of predetection filters and suitable quantitative performance measures
for these functions. Then we will present the values of these performance measures for
the various filter types catalogued earlier, so that comparisons may be drawn between
them.
The primary functions of predetection filters are listed in Section I above. The filters
must perform these functions at a minimum cost in data degradation. They are best
achieved by narrowing the bandwidth and sharpening the skirts of the filter, without
causing undue degradation of the telemetry data. Thus, the amplitude characteristic of
the filter determines the performance in terms of these functions. On the other hand, we

have shown that intermodulation distortion is determined primarily by the degree of
nonlinearity of the phase characteristic.
Now, it is well-known that the amplitude characteristic and the groupdelay (or phase)
characteristic of a filter are intimately related. It follows that fundamental tradeoffs exist
between the various filter performance criteria, and that these tradeoffs are determined
by the type of filter in question.
The performance measure suitable for characterizing the ability of the filter to reduce
additive noise is its noise bandwidth Bn, defined by

(9)

where H(T) is the transfer function of the predetection filter. Any two filters with equal
noise bandwidths will have equal additive noise power at their outputs, regardless of
their exact amplitude characteristics. This makes possible a direct comparison of
different filter designs with respect to function 1-a), once appropriate noise bandwidths
have been calculated. The noise bandwidths for the various filters are tabulated in Tables
1-3, normalized to the 3-dB half-bandwidth B.
The only completely general performance measure for functions 1-b) and 1-c) is the
amplitude characteristic of the filter. Knowing this, two filters can be compared by
checking to see which has greater attenuation in the frequency region where unwanted
signals are likely to fall. If the application is known in detail, so that the location of
adjacent channels is fixed, a suitable performance measure would simply be the
attenuation at the near edge of the adjacent channel. However, this degree of information
is not always available to the designer.
In the absence of complete knowledge as to the frequency location of undesired signals,
the performance measure frequently used is the 3 dB bandwidth in conjunction with the
shape factor, defined as the ratio of the frequency at the 60 dB attenuation to the
frequency at 6 dB attenuation on the skirts of the amplitude characteristic. The shape
factors for the various filters are also tabulated in Tables 1-3.
12. Specifications for Predetection Filters The performance tradeoffs presented in
the previous section can be used to formulate meaningful and effective specifications for
predetection filters. In this section we describe how such specifications may be drawn;

but first we must discuss the general nature of specifications in order to motivate the
recommended specification procedures.
In general, specifications must be:
a)
b)

c)

Self-consistent, so that satisfying one specified criterion does not automatically
prevent the satisfaction of another.
Attainable, either directly by known techniques, or -- if the specification is
stringent enough that it has not been previously attained -- then there must be good
reason to believe that it can be attained by some advanced technique.
Verifiable, directly or indirectly by standardizable tests.

We shall attempt to satisfy the above requirements in our proposed specification
methods. Next, we need to divide specification methods into two types:
a) Performance Specifications The desired performance characteristics, -- e. g., low
intermodulation distortion by the predetection filter -are specified directly in terms of
suitable measures of performance. No attempts are made to indicate the detailed nature
of the filters; that is left to the development or design engineer who then has the
flexibility to choose whatever design suits him and meets the specification.
b) Design Specifications The specifier first determines the desired performance
characteristics, then determines the corresponding design characteristics -- e.g., phase
linearity -- that will ensure the desired performance. This type of specification generally
requires accurate analytical or empirical relationships between the performance
characteristics and the design characteristics.
This may not be readily available, in general, although the results of this report supply
the necessary relationships for the particular problem of phase nonlinearities.
It is frequently necessary in making design specifications to treat a system in its
component parts rather than as a whole. This can lead to over-design, especially where
the deficiency in the design of one subsystem can be easily compensated in the design of
another. Thus, design specifications are generally less desirable than performance
specifications because they depend for their effectiveness on the accuracy of the
available relationships between performance and design, and because they can lead to
overdesign. From the viewpoint of the specifier, they require a greater effort to achieve
the same end; whereas from the viewpoint of the design engineer they can restrict
flexibility and resourcefulness.
Whatever the merits of the two types of specifications, it is imperative that no system
should be specified both in design and in performance, because this can only lead to

confusion and waste. A set of specifications should therefore contain no redundancies,
whether explicit or implicit.
The general problem of specifications is fundamentally one of establishing quantitative
tradeoffs between all the pertinent parameters, such as those presented in Section 11
above. These tradeoffs indicate to the specifier the attainable and self-consistent
performance measures which he may select. In the present context of predetection filters
we strongly recommend performance specifications, instead of such design
specifications as “percent of deviation from phase linearity” or “tolerance on
group-delay flatness.”
Tables 1-3 can be used directly to specify filter performance. Start by determining the
requirements placed on the filter by the receiving system. These requirements are usually
given in terms of 3 dB bandwidth, and skirt selectivity. Compute the corresponding
shape factor. Next, determine the rms frequency deviation Te, and the video bandwidth
ä. Compute the factor given by Eq. (6), and read the second factor representing the
effect of the spectrum-shape from Fig. 6. It will usually be sufficient to consider the I/S
ratio at bandedge, so use -3 dB for the second factor. Add these two factors (in dB) to the
distortion factors under the appropriate (Te/B) in the tables. It should be possible to
achieve an I/S ratio at least as good as -50 dB. Now, check in the tables to see that the
desired shape factor can be achieved by the filter types capable of better than -50 dB in
I/S ratio. Also, check that the resulting noise bandwidth is acceptable. If all these
performance criteria are met by one or more filter types listed in the tables, then specify
the corresponding numbers for: shape factor, 3-dB bandwidth, noise bandwidth, and I/S
ratio. Add some margins to these numbers to allow for slight misalignments and other
manufacturing imperfections.
If none of the filter types listed achieves all the performance requirements, then consider
either a cascade of identical stages or a more advanced filter design. In considering
cascaded stages, use the fact that a cascade of k stages increase the I/S ratio by a factor
of k2 over that of one stage.
The above procedure will ensure that the performance specifications are both selfconsistent and attainable. The measurement techniques presented in Section 5 can be
used for acceptance testing and for experimental evaluation of designs. This ensures that
the specifications are verifiable by standardizable tests.
In closing this section, a word of caution about a particular type of design specification is
in order. It is customary to specify the inband amplitude ripple of various components in
a telemetry system. These specifications are frequently quite stringent, e. g. , ±0.5 dB
over most of the 3 dB bandwidth. Yet, we have been unable to find any direct

dependence of data degradation on inband ripple. In fact, Bessel filters are known to
have rather large variations of inband gain, and yet they can achieve very low I/S ratios
because of their maximally-flat group-delay characteristics. We must conclude,
therefore, that inband ripple specifications are superfluous unless amplitude-modulated
signals are used. They may even be damaging if not accompanied by a consistent
specification on group-delay (or phase) variations. That is because in attempting to
satisfy a stringent specification on inband ripple, the designer may have to sacrifice
group-delay (or phase) linearity and thus incur greater intermodulation distortion.
13. Conclusions and Recommendations The effect of predetection-filter
characteristics on telemetry-data quality has been studied. Intermodulation distortion was
recognized as the primary data-degrading effect, and was characterized in terms
intermodulation distortion spectrum under noise-loading conditions. The noise-loading
technique was shown to be:
a)
b)
c)

Realistic, in that it is capable of simulating typical multi-channel telemetry signals,
Practical, in that consistent and meaningful laboratory measurements can readily
be obtained, and
Analytically tractable, in that the results of measurements can be mathematically
predicted, and the dependence of distortion on important system parameters (such
as filter bandwidth, video-signal bandwidth and deviation) is explicitly
determined.

Calculations of distortion levels, made on the basis of the quasi-stationary
approximation, were found adequate for telemetry applications. The results were applied
to a whole catalog of common filter types and tabulated (Tables 1-3), together with other
measures of filter performance, in a manner useful to the filter designer unfamiliar with
the theory.
The overall concepts of this paper can be utilized in a variety of ways. They can clarify
the cause/effect relationships so as to improve the insight of the design engineer. They
supply the tools for systematic analytical design to reduce intermodulation distortion.
They introduce new experimental techniques for system alignment and for the evaluation
of system performance in terms of data quality. And finally, they lead to systematic
techniques for system specification and acceptance testing.
Consequently, our primary recommendation is that the techniques, both analytical and
experimental, presented in this report should be utilized to ensure data quality in all
phases of telemetry system implementation. This includes system design, analysis,
specification, standardization, evaluation, testing, alignment and calibration. We believe
the noise-loading technique should fill an urgent need experienced by all those
concerned with telemetry systems.

Throughout the study we have emphasized that the principal source of phase nonlinearity
and hence of intermodulation distortion is the receiver second IF amplifier/filter. Thus
improvements in the linearity of the second IF filter are possible, and would be reflected
directly in significant improvements in system data quality. We recommend that future
efforts should be directed to the development of such filters for telemetry applications.
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ERROR RATES IN WIDE BAND FSK WITH
DISCRIMINATOR DEMODULATION
DAN McRAE
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1. Problem In the past few years an increasing number of requirements have occurred
for the transmission of binary data over frequency modulated microwave carriers. In
many of these applications the overall frequency uncertainty of the received carrier due
to doppler or instabilities is large compared to the bit rate. In such cases the receiver
designer has the option of using a predetection bandwidth which is much wider than the
bit rate and depending upon post detection filtering for noise removal prior to decision,
or of using a narrow band IF and an AFC with appropriate acquisition mechanism.
If an ordinary FM discriminator is to be used it is commonly accepted that the AFC
approach is superior in performance since predetection filtering of the noise is more
effective than post detection filtering due to the FM improvement threshold. Indeed, if
the threshold is assumed to be infinitely sharp and if at threshold the output signal-tonoise is sufficient then we might expect the gain in sensitivity provided by the AFC to be
proportional to the ratio of the predetection bandwidths. Thus if the drift is 100 times the
bit rate, the use of an AFC (assuming a predetection bandwidth equal to the bit rate)
could provide a sensitivity gain of 20 db. This, however, must assume that the post
detection filtering is of no benefit which does not seem reasonable.
How much loss, then, is associated with the use of simple wideband reception in these
cases? The answer is important from an engineering standpoint since use of an AFC adds
complexity (particularly when sweep circuitry is required) and if adequate signal
strength is available the simplest technique is the best.
The problem, then, is to determine the bit error rate (BER) vs. S/N for PCM/FM when a
standard limiter-discriminator is used followed by a low-pass filter (for large ratios of IF
BW to bit rate). This should be done for different frequency deviations and the effect of
detuning in the IF must also be considered.
II. Background The problem of determining bit-error-rates in a PCM/FM (or FSK)
system has received quite a bit of attention in the literature in the past. The more

pertinent references will be mentioned here. Kotel’nikof1 determined an expression for
the bounding performance of PCM/FM and Smith2 noted that this boundary performance
is achieved (within 1 db) by use of ordinary FM discriminators when the IF bandwidth is
made equal to the bit rate. Shaft3 made an estimate analytically of the performance of an
FM discriminator with the inherent assumption of no video filtering and an IF bandwidth
to bit rate ratio of approximately one. Radiation Incorporated4, Aeronutronics5, and
EMR6 have reported measurements of BER for various settings of IF bandwidth to bit
rate ratio, frequency deviation and low pass filter configurations. However, all of these
measurements were made with the IF bandwidth to bit rate ratio of four or less. The
author is not aware of published data reporting error rates for cases where the IF
bandwidth is much wider than the bit rate.
To tackle this problem analytically it is necessary to describe the noise out of an FM
limiter-discriminator in such a fashion that the effect of post detection filtering can be
determined. The early (1948) classical approaches to the problem reported by Rice7 ,
Middleton8 , and Stumpers9, provided quantitative results for FM noise directly out of a
discriminator but the form was such that the effect of a post detection filter followed by a
decision device could not be deduced. In 1958 Jona Cohn10, 11 published a paper and a
Doctoral dissertation for North Western University in which he determined
quantitatively some of the impulse like properties of FM noise. In 1962 Rice12 presented
a paper taking a similar but slightly different approach as that of Cohn to determine the
statistics of impulse noise out of an ideal limiter-discriminator combination. He then
used these results to provide a simplified expression of the power spectra I density of the
noise. The approach taken by Rice, however, was limited to IF S/N ratios of unity or
greater. More recently several papers by Shilling and Billig13 have discussed the
“impulse” or “pop” nature of noise to analyze phase-locked reception.
A crude model for “pops” which would be valid for low S/N ratios as well as high was
developed earlier by Pelchat and the author and was reported in an internal Radiation
Incorporated report in March, 1965, entitled Improved Demodulation Techniques. The
approach reported herein is similar in concept with this earlier work and is also quite
similar in many respects to the approaches of Cohn and Rice.
III. Approach A block diagram of the problem to be analyzed is given in Figure 1.
The signal into the limiter-discriminator is assumed to be the sum of bandlimited noise
and the undistorted modulated waveforms. It should be noted that the effect of the IF
upon the signal due to signal dynamics is assumed to be negligible. This assumption is
usually made in analyses of this nature but often is implicit in the mathematics rather
then explicitly stated. In the present case it would appear to be a good assumption when
the IF bandwidth is large compared to the bit rate but a bad one otherwise. Thus we can
not expect the results from this model to accurately apply to cases where the IF
bandwidth is small.

By use of the narrow-band gaussian model for the noise out of the IF (see, for instance,
Davenport & Root14) we may express the combined signal and noise as shown. This is
accomplished in the simplest fashion by writing:

The limiter is assumed to remove B(t) and the discriminator puts out a voltage
proportional to the rate of change of the input phase. For convenience the gain constant
of the discriminator will be assumed to be one volt per radian so that we may represent
the discriminator output as (t). The integrate and dump integrates (t) over the bit
period which is assumed to be T seconds long. The comparator compares the output of
the integrate and dump at the end of the integrate time and decides on the polarity of the
bit based upon whether the integrated output is positive or negative. Perfect bit timing is
assumed.

where 0/(t) represents the error or noise contribution then the output of the integrate and
dump is:

where use has been made of the fact that R/(t) is either + Td or - Td during the bit
interval. The probability of a bit being in error, then, is the probability that [N(T) - N(0)]
is larger than and opposite in sign from ± TdT.
To determine the statistics of the random variable [N(T) - N(0)] it is convenient to
consider the vector representation of

This is given in Figure 2 for a particular set of values of Ys(t) and Yc(t). During the time
interval 0 to T, the resultant vector tip can be thought of as wandering around depending
upon the values of Yc(t) and Ys(t) during this time. A particular trajectory is shown in
Figure 3. From consideration of the trajectory during the period of interest, it is easily
determined that unless the trajectory crosses the horizontal axis to the left of the origin,
the angle [N(T) - N(0)] is bounded by ± 2B. Further, if the number of such crossings in a
negative (counter clockwise) direction is k and the number in a positive (clockwise)
direction is j, then it can be stated that:

where:

Thus, if TdT = -2 mo where mo is an integer then if m > mo + 1 an error is guaranteed and
if m < mo-1 an error cannot occur. Thus for these cases we ma write bounds for the bit
error probability, pe.
Therefore bounds on error probability can be obtained by determining the probability
distribution of m. The number, k, will be called the number of negative “pops” and j the
number of positive “pops” (clicks and clocks by Rice’s terminology) and m the net
number of pops in the bit interval.
In Section V an expression for the probability of net pops as a function of Td, T and IF
S/N ratio, D, is determined. This expression was used to determine the bounds on error
probability which are quite close in the region of most interest. The final resulting plots
given in the next section utilize these results in the region where the ratio of IF
bandwidth to bit rate is high.
In addition it can be easily determined by consideration of the periodigram definition of
power spectral density, W(f), that the height of the power spectral density at the origin in
units of CPS2/CPS is equal to the variance of m divided by T as T - 4. (This relationship
was also used by Rice12). The predictions of W(0) derived from the distribution of net
pops will be given in the next section.
IV. Results The primary results are given in Figures 4 through 11. Each set of curves
represents a fixed ratio of peak-peak frequency deviation to IF bandwidth, D. Each curve
represents a given error probability and the two axes are IF S/N ratio, D, in db and the
ratio of the IF bandwidth to bit rate, $. The solid curves were calculated from the

expression for P(m mo) given in section V. The dotted curves connect the calculated
results with the theoretical bounding results for coherent FSK for $ = 1 (see Smith2).
A number of measured points are shown. The measured values shown for $ of one and
two were previously reported by Aeronutronics. All others were taken at Radiation
Incorporated in the course of this study. It should be noted that these measurements were
taken before the analytical values were determined in final form. This has the advantage
of making the measured values more of an independent check but carries the
disadvantage that surprising values cannot be used as a means of locating equipment
problems. In any case it is felt that the results of the measurements do argue for the
applicability of the model.
Several interesting observations can be made concerning the results shown in Figures 4
through 11.
1) The first is the fact that low error rates can be produced at IF S/N ratios which are
very far below the usual number assigned for the FM improvement threshold, if
sufficient post detection filtering is done. Although this appears reasonable enough if
one reflects upon it, it is not a widely accepted conclusion. For pe = 10-8 and D = .7 the
difference in required signal strength between the optimum receiver and the
discriminator is only 5 db for $ = 100 and 9 db for $ = 1000 rather than 20 db and 30 db
as our thumb rule would have us believe.
2) In the region of $D > 100 the curves for a fixed D reduce in D approximately
proportional to $1/2. This means that reducing bit rate and hence the post detection filter
bandwidth by 2 allows a reduction of 1 1/2 db in IF signal strength rather than 3 db
which would be available by halving the predetection bandwidth.
3) In the region $D > 100 the curves and the expressions derived in Section V can be
approximated quite closely by the expression:

where

where W(0) is the two sided height of the power spectral density at the origin. A plot of
W(0) vs. D is given in Figure 12. The scaling is such that if one multiplies the number

given by Bif in cps, W(0) will have units of cps2/cps. If Bif is in KC W(0) will have units
of KC2/KC. For D 0:

This is derived in Section V and plotted in Figure 13 and compared with previous
calculations by Stumpers and previous measurements.
4) Since (1-e-D) approaches D and W(0) approaches a constant for small values of D, the
error probability in this region can be closely approximated

where C1 is a constant. Since for $ = 1

the conclusion that can be drawn is that for large $ and small D, Pe is a much steeper
function of D than it is for $ = 1. This becomes important when very small values Of pe
are desired.
5) The last point is perhaps the most significant one. Equation 4 is identical to the
expression that one would determine if one assumed the noise to be white and gaussian
with spectral height of W(0) and the signal to be the input signal modified by the signal
suppression factor. Thus, it appears reasonable to conclude that in the region where the
post detection filtering is narrow enough to average 50 pops or more ($D > 100), the
resulting noise may be considered to be white and gaussian. This provides a relatively
simple means of predicting performance of systems other than FSK in the low input S/N
region.
6) The effect of detuning has not been included in obtaining these results. However,
measurements of bit-error-rate vs. signal-to-noise have been made for detuning of
± .1 BiF, ± .2 BiF, and ± .3 BiF. These measured results are shown in Figure 14 which
indicates a loss of about 1 db or less due to detuning.
V. Derivation In this section we will determine an expression for P(m) suitable for
determining pe (see equation 3). The general approach will be as follows:
1) An expression for the expected value of J and K, E(j) and E(k), will be derived. This
has been done by Rice12 but will be included in this report since a different approach is
used to obtain the solution.

2) An expression for P(j-k) = P(m) is derived by assuming j and k to be dependent
poisson random variables. The assumption of dependence rather then independence (as
was assumed by Rice) is important to allow proper prediction in the low S/N region.
3) A final adjustment of the expression is made to provide proper dependence upon D in
the very low S/N region.
A) Derivation of E(j) and E(k).
From consideration of Figures 2 and 3 it can be deduced that the expected value of the
number of positive pops, j, in an interval of time is the expected number of times that
Ys = 0, Yc < -A and
< 0 in that interval. Likewise: the expected number of negative
pops, k, in the time interval is expected number of times Yx = 0, Yc < -A and
> 0 in
that interval. We wish to determine this expected value as a function of the joint density
function of p(Ys , Yc ,
. Let us begin by determining the expected number of times a
random function, Yx(t), crosses a value (such as zero), in a time T. Although this problem
has been solved before, the approach given here is new so far as the author is aware, and
hence may be of interest to others.
Let us consiter a small interval about the value of interest such as that between Yx and
Ys + ) Ys shown in Figure 15. If ) Ys is taken to be quite small, Ys(t) can be considered
to be a straight line in this region. The expected time E(T1), that Ys(t) is in this region
with a slope between
and
+ ) Is:

If P( , Ys) is a continuous function in this region the expression becomes an identity as
approaches zero. The time spent in the interval per crossing at this slope is )Ys/* *.
Hence the expected number, E(N1) of crossings with this slope is the expected time
divided by the time per crossing or:

If we are interested in the number of crossings with any slope, E(N), we can add up the
values for each slope as ) Ys approaches zero:

This is the usual expression for the expected number of crossings of a level, Ys, by a
function Ys(t) in time T.
Let us now extend this to include the joint occurrence of a level crossing of Ys(t) = Ys
and a second function Yc(t) < -Ao . By exactly the same reasoning we may determine the
expected time E(T1), that Ys(t) is in a region within ) Ys of Ys with a slope
(within
) ) and Yc(t) is within ) Yc of some value Yc , to be:

If ) Yc is taken to be very small but still arbitrarily larger than ) we may argue that
the length of time of each of these events is till determined by
And is as before ) Ys/
* *. Hence we may write the expected number, E(N1), of these events as:

and the expected number, E(N1) of crossings for all values of
-Ao becomes

And all values of Yc <

From equation 7, we may write:

and

The next step is to determine a suitable expression for p(Ys = 0, Yc ,
narrow band gaussian noise we have:

). In our case of

where the power spectral density of n(t) is symmetrical about 0. In this case Xc(t) and
Xs(t) are independent gaussian processes with power spectra corresponding to that of n(t)
translated to zero frequency and joint probability distribution:

where 0-2 is the variance of n(t). From equation 9 we may write:

where Yc(t) and Ys(t) are gaussian processes.
Also:

where Z(t) is a gaussian process. By multiplying the terms and evaluating, we may
determine:

and

For the spectrum of n(t) assumed (see Figure 1),

Further if R (t) is assumed to be a constant, - Td, during the interval of interest:

From these expressions we may write:

The last step is to substitute (11) in (8) and integrate.

By making the substitutions:

these equations become:

Interchanging the order of integration:

and

Performing the Z integration:

and

Integrating and substituting for b we obtain:

B) Determination of p(m)
The occurrence of events which determine the numbers j and k can be considered by use
of Figure 16. We observe the value of Yc at each of positive going zero crossings of Ys(t)
and count one each time Yc(t) is less than -Ao at this time to obtain j. To obtain k we
perform a similar count using the times corresponding to negative zero crossings of Ys(t).
In the example shown j = 2 and k = 0. Let us designate the number of positive zero
crossings at Ys(t) in time T as N and the probability that Yc < -Ao at this time as P1. If the
chance of a count occurring at one zero crossing is assumed to be independent of the
outcomes at other zero crossings then P(j*N) will be binomially distributed:

Similarly:

where P1 is the probability of Yc(t) -Ao at a particular positive zero crossing and P2 is the
probability of Yc(t) -Ao a a particular negative zero crossing of Ys(t). It can be shown by
use of equation (6) that the expected number of positive or negative zero crossings of
Ys(t) in an interval, T, is Ad used in equation (16). If the number of such crossings is
assumed to be a Poisson random variable:

then

Similarly:

Thus j and k are Poisson random variables with mean and variance of P1
P2 For k. From (16) then:

For j and

If j and k are assumed to be independent, then one is led to the same results as those of
Rice12 which runs into difficulty in the very low S/N region. This region, however, is of
particular interest in this problem.

The symptom of difficulty associated with the assumption of independence between j
and k is the fact that this predicts a W(0) too large in the low S/N region. This suggests
that j and k are dependent rather than independent.
Although, for a particular value of N it appears fairly reasonable to assume j and k
independent, it would seem that they both should depend upon N. That is if N is quite
large, both j and k might be expected to be larger. By inserting this dependence the
resulting W(0) checks quite well at all values of S/N for the case of no modulation. We
will proceed, then, to develop P(m) by assuming j and k to be dependent in this fashion.

For m < 0 we can write the same expression reversing the rolls of j and k and P1 and P2.
Hence we will consider m > 0 only at present.

The region of summation is shown in Figure 17. By introducing a new variable
we can sum along the lines shown in Figure 18 from 0 to 4 fir both n and j.

The inner summation can be rewritten as:

Substituting back into P(m):

Again reversing the order of summation so as to sum along the lines shown in Figure 17
and substituting R = j-n yields:

The last summation can be closed:

Finally Pe can be obtained by summing P(m)

If

=m+n

This expression amounts to evaluating a cumulative two dimensional Poisson
distribution with independent variables n and R with means of Y1 and Y2 respectively.
The area to be summed is shown in Figure 19. This completes the determination of P(m).
Q Modification of P(m)
Let us now consider some of the properties of P(m) as given in equation 24. The
expected value of m can be shown to be Y1 - Y2 which with appropriate substitution from
22, 21, and 16, reduces to fdTe-D which accounts for signal suppression. The variance can
be shown to be Y1 + Y2 which when plotted for Td = 0 (a = 0) provides a W(0) which
tracks very nicely with both previously calculated and measured results as was illustrated
in Figure 13. A difficulty arises, however, when D = 0 in that the variance of m, Y1 + Y2,
is a function of Td which obviously should not be.

To overcome this difficulty, the variance, Y1 +Y2, used for the calculations was reduced
to correspond to that of the suppressed deviation, d(1-e-D). The final expression used for
calculations was:

where:

The modification to mo is necessary to keep the number of pops required to make an
error the same difference from the mean value of m as it would have been by using D
rather than D' in the calculations for P1 and P2 .
For values of mo = 100 and greater the values for Pe were calculated by using the
gaussian approximation

For mo < 100 the values were calculated by computer. The computer calculated values
matched quite well with thosefromtheapproximation in (26) for mo = 100 but diverge
below this.
Since:

and:

equation 5 follows from 26.
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THE DETECTION OF PCM/FM1
D. L. SCHILLING
Polytechnic Institute of Brooklyn
Brooklyn, New York.

Summary The calculation of the error rate resulting from the detection of PCM/FM is
described. Emphasis is placed on characterizing the effect of the FM demodulator
(FMD).
The works of Schilling(l), Salz(2), and Klapper(3), are summarized and extended to yield
error rate expressions when using an FM discriminator, Phase Locked Loop, or
Frequency Demodulator Using Feedback (FCF). The “Integrate-and-Dump” and the
Filter Detector are compared.
The results indicate that in certain regions the error rate is due primarily to “smooth
noise”, and the FM demodulator followed by a PCM detector yields an error rate
comparable to that obtained with a Matched-Filter (MF) detector. In other regions the
error rate is shown to be due primarily to the spikes present at the FM demodulator
output.
The use of “Spike Detection and Correction” is discussed. It is shown that this technique
results in reduced error rate in the “spike regions”.
Introduction The PCM/FM detection system is shown in Fig. 1. The PCM signal is
shaped using a premodulation filter, then frequency modulated and transmitted through a
channel with additive gaussian noise. The received signal and noise are shaped by a
predetection filter. The PCM waveform is recovered using an FM demodulator such as
the discriminator, PLL or FCF, and then passed through a PCM Detector. Two PCM
detectors are considered in this paper: the integrate and dump filter(2,3) and a gaussianshaped filter(1) detector.
The FM demodulator, which is the basic element of the PCM/FM detection system has
until recently been considered as a “linear” demodulator. The output noise power of this
device was considered to be normally distributed, and the detector of the demodulated

1
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KM waveform was often tested using a binary PCM signal embedded in white gaussian
noise.
Although the character of the FM noise: smooth and impulsive, was recognized in the
early days of FM, an analytic treatment using impulsive noise was not attempted until
1958 when Cohn(4) showed that in addition to the FM noise (non-white gaussian noise)
present at the output of an FM discriminator, there exists a train of positive and negative
pulses-spikes-which influences the response of the FM discriminator.
Rice (5) characterized these spikes as impulse functions, having an area of 2B radians,
and being poisson distributed (This assumption was later verified experimentally(6)). He
then determined the output SNR as a function of the CNR at the input to the
discriminator and obtained an analytical expression for the threshold of the FM
discriminator. Schilling observed that the output of a PLL and FCF consisted of smooth
noise and spike noise, and proposed that Rice’s noise analysis be extended to the
calculation of error rates of KM/FM signals (7).
Theoretical and experimental investigations of the PLL, FCF, and the FM discriminator
indicate that the noise at the output of each device consists of smooth noise and spike
noise. The FM noise is approximately the same in each device; differences are due to the
demodulation mechanism of each. The spikes present at the output of each device have
the same characteristics, an area of 2B and a random time occurrence which is poisson
distributed. The major difference between the FM demodulators considered, is the
expected number of spikes occurring per second. Assuming that the expected number of
positive N+, and negative N-, spikes occurring per second are equal, we can write:
(1)
where
em(t) is the PCM waveform. (see Fig.1) which is assumed to be negative when a positive
spike occurs and positive when a negative spike occurs(1-2-3-5)
CNR is the input carrier to noise ratio measured at the output of the predetection filter,
and ( is a parameter which is dependent on the FM demodulator used. When using the
discriminator, ( =1, when using the PLL or FCF, N+(=N-) decreases, and hence ( > 1 (it
is here that the PLL and FCF controversy arises; i.e, what value of ( should be used;
rather than enter this controversy we leave the value of ( unspecified except to bound (
between 1 & 10).

1. Analysis Background
The received PCM/FM signal is corrupted by white gaussian noise, passed through an IF
filter having a bandwidth BIF, and demodulated using an FM demodulator as shown in
Fig 1. The output of the IF filter is
(2a)
where em(t) is the
PCM signal transmitted) and x(t), y(t) are independent gaussian processes with Zero
mean, and noise power, Ni = BIF.
The demodulated output eo(t), is
(2b)
where ng(t) is the smooth noise:
(3a)
(3b)
and ns(t), is the output spike noise,
(4)
The calculation of the probability of an error in the detection of the demodulated signal
due to the smooth and spike noise, assumes that at low probability of error (less than
10-2) the errors caused by each type of noise can be calculated separately. The errors due
to the smooth noise is calculated using standard techniques since this noise is essentially
gaussian. To utilize the spike concept to calculate the probability of error, two
characteristics of the spikes are used extensively: the spike area is 2B radians, and its
duration is much smaller than the bit length. Since the bandwidth of the low pass filter is
much narrower than that required to pass a spike, a spike when it occurs, can be
represented by an impulse of area 2B at the demodulator output. Knowing the probability
of occurrence of a spike (see Eq.1), the probability of the spike amplitude exceeding the
signal at the sampling instant can be calculated.
2. Error Rates Due to Smooth Noise
The integrate and dump detector can be considered as a filter with impulse response h(t).
Then, the output of the PCM detector at the sampling instant ts, is (neglecting spikes):
(5)

The probability of error due to the smooth noise is found(2-3) from the formula:
(6)
where (see Fig 1),
Ngo(ts) is the noise power (of the “filtered” smooth noise component) at the sampling
instant, and emo(ts) is the “filtered” PCM waveform.
Using the integrate and dump filter we have (See ref 3-Eq 6, and ref 2 Eq 28; care must
be taken when using ref. 2 as the results are intended for multilevel FSK not binary FSK
(PCM)):
(7)
where
)T = *em* (the PCM waveform is assumed to be a rectangular pulse lasting T seconds),

and
0 is the spectral density of the white noise at the input to the predetection filter.
Using a gaussian-shaped filter detector, having the characteristic
(8a)
the probability of error due to the smooth noise component was found to be, (see ref 1Eq 23):
(8b)
where fo(T)f) is shown in Fig 2.
Care must be taken when comparing Eqs 7 and since Eq 7 assumes a rectangular shaped
PCM waveform while Eq 8b assumes that a rectangular premodulation filter, is
employed, having a bandwidth
. The shape of the premodulation filter affects
emo(ts). Note, however that the results are similar showing that the type of detector used
does not greatly affect Peg.

3. Error Rates Due to Spike Noise
The calculation of an error due to the occurence of a negative spike is illustrated in Fig 3,
which shows a demodulated positive bit of arbitrary shape and a negative spike
occurring J seconds after the start of the bit (Fig 3a), the filtered bit (Fig 3b), and the
filtered negative spike (Fig 3c). The output of the filter detector, neglecting the smooth
noise is (at the sampling instant ts):
(9)
The filtered spike height exceeds the filtered bit height (at the sampling instant) when
(10a)
If the sampling instant occurs in this bounded region an error occurs. Thus, an error
occurs if
(10b)
The probability of a negative spike causing an error is then (using Eq 9)
(11a)
where,U (t) is a unit step function. When the intervals (ts - t2 ) and (ts -t1) lie in the bit
interval 0 to T, Eq 16a can be written as

(11b)

The time intervals ts - t2 and ts - t1 are easily calculated for any filtered PCM waveform
em(t), using Fig 3. N+ is given by Eq 1.
If the positive and negative bits are equiprobable, the total probability of an error due to
spikes is also given by Eq 11b.
The above analysis neglects the possibility of a spike occurring during one bit causing an
error in the following adjacent bit. This term is, however, directly calculated using the
above approach. Since one does not want the spike to cause errors in adjacent bits,
output filters which do not “ring” should be used. Thus, a rectangular filter detector
should not be employed as it will increase the error rate due to spikes by a significant
amount.

The Gaussian Filter Detector
The error rate caused by spike noise when the PCM signal was premodulation filtered as
before was calculated (see ref 1-Eqs 26 and 28) and shown to be:

and
B1FT is proportional to the bandwidth expansion obtained using FM (see Eiq 1).
It is seen (Eq 12b) that if
, the spike height cannot exceed the height of
the PCM waveform. Hence the presence of a signal spike will not result in an error.
However, multiple spikes can cause errors.
It is shown(1) that spikes cause the majority of the errors when
(13a)
while the smooth-noise causes the majority of the errors when
(13b)
The Integrate and Dump Filter Detector
When using an integrate and dump filter detector Eq 9 becomes:

(14a)
Thus, if
(14b)
the occurrence of a spike results in an error. If )f >1 a single spike in a bit will not cause
an error. Thus, using Eqs 1 and 11b: (2,3)
(15)
Comparing Eqs 12 and 15 we see that the error rate resulting from the occurrence of a
single spike in a bit is not “sensitive” to the type of detector employed.

4. The Probability of Error
The probability of error for the FM discriminator ((= 1)-integrate and dump detector, is
shown in Fig 4 (this is a reproduction of Fig 5 of ref 2). The vertical drops in the
probability of error Pe, curves do not occur in practice and result from neglecting the
smooth noise component of Eq 7.
The probability of error obtained using an FM discriminator-gaussian filter detector, is
compared with that obtained using the matched filter detector in Fig 5 (This is a
reproduction of Fig 5 of ref 1). Notice that in the region of small T )f, the matched filter
and FMD display comparable error rate. This is in the smooth noise error region of the
discriminator. When the error rate using ttie FMD results principally from spikes, (0.37 <
T ) f < 3/ %2 ) the matched filter is seen to have a substantially lower probability of
error. The PLL, and FCF which have lower probability of occurrence of a spike than the
discriminator ( ( > 1), yield Drobability of error approaching that of the matched filter in
the spike region.(9)
It is seen from this figure that the minimum probability of error using the MF detector
occurs when T )f •1. Using the FMD,the minimum Pe occurs when T ) f = ½
Comparing the results shown in Figs 4 & 5 indicate that the Pe is significantly less in
Fig 4. This is not due to the use of an integrate and dump detector, but is a result of the
decreased bit energy resulting from premodulation filtering.
5. Spike Detection and Correction
Figure 6 shows the output of an FM Discriminator in the smooth noise and spike regions.
Sinusoidal modulation is applied to the FM carrier. Note the distinct character of the
spike. This character has led us to develop spike detecting systems which are capable of
detecting spikes and correcting the data. Digital computer simulations as well as
laboratory models using the output of the FM Discriminator and PLL have been
constructed. An elementary spike detection system is described in Ref 1. Figure 7 shows
that the errors in the spike region can be reduced by a factor of 3 using elementary spike
detector.
The digital computer simulation(9) indicates that when using spike correction for digital
signals substantial improvement can be obtained over that shown in Fig 7.
Conclusions Rice’s mathematical model for the smooth noise and spike noise can be
used to analyze the response of other FM demodulators.

The results obtained show that a PCM detector should not be tested with a white noise
input since for many applications it is the spike noise which results in most of the errors
observed. The input noise to the PCM detector consists of smooth noise (which is nonwhite) and spike noise. Therefore there is no reason to use the integrate and dump filter
(which is optimum only for pulses in white gaussian noise).
Anyone who has spent one hour watching the spikes at the output of a PLL, FCF or
discriminator will agree that the shape of the spike is distinctive. A great deal of work
must be done to determine the optimum spike detector, for here is the key to decreased
error rate (as well as low threshold signals).
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PERFORMANCE STANDARDS FOR EASTERN TEST RANGE
TELEMETRY STATIONS1
PAUL L. HARTON and Dr. JOHN W. McRARY
Technical Staff Department
Pan American World Airways
Patrick Air Force Base, Florida

Summary An extensive engineering effort has been directed toward the rehabilitation
of Eastern Test Range telemetry stations during the past five years. Initial planning
began, at an earlier date) with studies of range user program plans. These studies have
continued throughout the development period to assure a close agreement between range
user needs for telemetry data and station capabilities. The plan to rehabilitate telemetry
stations on the range has included airborne and shipborne systems, as well as the landbased stations. The stated needs of range users, and the projection of equipment trends
formed the basis for specifying new telemetry systems for the Range. Design,
production, initial tests, and installation followed in rapid sequence. An evaluation phase
was then implemented to determine the operational readiness of the integrated systems
and to establish the levels of performance at which each station should be assigned for
support. Recent telemetry developments on the Eastern Test Range are briefly described,
with emphasis on the launch area telemetry station, Tel 4. This general-purpose telemetry
station must be operated in many different modes and configurations to accommodate the
various signal structures that are used. Tests that have been used to estimate the station
capabilities and limitations when it is configured to receive PAM/FM/FM and PCM/FM
links are described as examples of the evaluation concept.
Introduction Advances in space technology have caused a continual change in the
configuration of the Eastern Test Range and in the telemetry equipment at each station.
Early, low-flying missiles made it necessary to use closely spaced stations to avoid
losing data as the missile crossed the horizon. Distances to the horizon increased when
ballistic missile testing began. Earth satellites and space probes emphasized the trend
toward increased transmission distances and higher information rates. As a result, some
stations were “moth-balled” while others increased in complexity.
The current configuration of the Range includes telemetry stations at Cape Kennedy,
Grand Bahama Island, Grand Turk, Antigua, Ascension, and Station 13 in south Africa.
1
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Ships and aircraft are used to complete coverage between Antigua and Ascension,
between Ascension and Africa and to extend the coverage into the Indian Ocean. The
telemetry rehabilitation program has included all of these stations., equipping each of
them with new antennas, low-noise preamplifiers., and versatile receivers to cover all of
the frequencies at which telemetry reception is anticipated. In addition, the land-based
and shipborne stations were provided with both predetection recorders and
demultiplexing equipment. A concept for providing telemetry data from Cape Kennedy,
GBI, Antigua, a ship at sea, and Ascension to range users in real time is now being
implemented as a part of the rehabilitation program. This real-time data transmission
system will make it possible for a range user to have selected channels of data, from a
chosen time prior to launch, until the space vehicle is more than 5000 miles along its
way.
Components and Subsystems Reception at the new telemetry frequencies between
2200 and 2300 MHz has been provided by new antenna systems which also have a
greater sensitivity. The new land-based tracking antennas have parabolic reflectors of 30,
33, and 85-foot diameters. 9hipborne parabolas have 24 and 30-foot diameters. The
conical scan feed systems provide simultaneous reception of two orthogonal, circular
polarizations. Low-noise preamplifiers for each of the telemetry bands are located
adjacent to the feed cones to enhance the system sensitivity. Cable wraps around the
elevation axis and a dual rotary joint through the azimuth axis give a complete coverage
of the upper hemisphere. The elevation-over-azimuth designs are characterized by the
usual limitations on tracking rates through the zenith.
Frequencies above 1000 MHz are translated to a band between 300 and 400 MHz before
transmission over the rigid coaxial lines from the antenna pedestal to the control console.
Multicouplers are located in the antenna console providing isolated signal sources for the
tracking receivers and the RF distribution subsystem.
Any one of the antennas at a particular station can be manually patched to any one or
more of the data receivers at the RF distribution subsystem. Each receiving subsystem
consists of 12 receivers, normally used in pairs to receive as many as six links. When
used in this way, the video outputs from the two receivers are combined to form a
polarization diversity receiving system. Any one of 10 IF modules can be selected,
providing bandwidth from 10 kHz to 3.3 MHz. FM discriminator, phase-locked loop,
and synchronous AM demodulators are available as plug-in units. A 10-position switch
is used to select video bandwidths between 6.25 kHz and a maximum bandwidth that is
not less than 1 MHz.
The two recorders which are a part of each receiving subsystem provide a means of
recording before and after demodulation. The recorders are identical and can be used
redundantly, in different modes of operation, or in sequence to extend the mission time.

The design permits seven-track or fourteen-track operation, interchangeably. The
maximum recording bandwidth is 1.4 MHz, using an 800 kHz carrier and a tape speed of
120 inches per second in the predetection mode. A maximum video bandwidth of 500
kHz, using a 900 kHz carrier at 120 inches per second is available for baseband
recording.
Real-time or post-mission demultiplexing is accomplished by patching the baseband
signal from the receiver or from the tape playback equipment to any one of several
demultiplexers. Fixed and tunable discriminators separate and demodulate all IRIG
proportional subcarriers and many others that do not comply with IRIG
recommendations. The discriminators use phase-locked loops for demodulation. The
output filter has a switchable option of constant amplitude or constant delay response.
The basebands from SS/FM links can also be demultiplexed and recorded.
Time-division demultiplexers of three types have been developed. The TDM-I is
designed to demultiplex PCM trains at rates up to 106 bits per second. PAM and PDM
trains are accepted at rates as high as 100,000 and 6000 pulses per second, respectively.
The TDM-II has these same capabilities and also provides for automatic switching to
accommodate in-flight changes of the data rate. The TDM-III demultiplexer accepts
PAM and PDM trains but is not designed to demultiplex PCM data. The output from
each of the demultiplexers is in a “common-language” format that permits them to “talk”
to the digital processing and display devices.
Analog channels can be recorded for display and presentation on pen recorders and
oscillographic recorders. Normal frequency response is DC to 58 and 5000 Hz,
respectively. High frequency galvanometers are available for use with the oscillographic
recorders, extending the response to 13,000 Hz. In addition, bar graph displays are used
for continuously monitoring analog signals. Each of the bar graphs uses a 17-inch,
cathode-ray tube to display as many as 40 discriminator outputs.
Analog-to-digital and digital-to-analog converters make possible an exchange of data
between analog and digital subsystems and make the output readily available in either
form. When analog data are converted to digital form, the output is arranged in the
common-language format. This simplifies any further processing of the data that might
be needed because each of the new digital subsystems uses the -common language. Time
multiplexed data that are to be displayed or recorded in analog form can be smoothed by
use of data interpolation filters.
One type of digital display subsystem accepts the common-language format and presents
selected channels in a 7-digit decimal display, on analog-event meters, event recorders,
and on printed tape. In addition, digital bar graphs, similar to the analog bar graphs, are
available for monitoring data channels which have been translated into the common-

language format. Correction, scaling, and translation functions are performed on digital
data by a data corrector. A computer formatter accepts common-language information
and records it on magnetic tape, in a computer-compatible format.
Launch Area Reception at Tel 4 More data must be collected in the launch area than
at any other location on the Eastern Test Range. Countdown checkouts require the
repetitive collection of data to determine the status of on-board systems before launch.
Large boosters use many links to report fuel flow, temperatures, vibration, attitude,
acceleration, and many other details of readiness and performance. The rate at which
information is telemetered for a space probe mission is greatly reduced between the
launch phase and the deep space entry. Manned missions and scientific satellites
telemeter a relatively large amount of data from earth orbits, but an even larger amount
of information is usually telemetered during the launch phase. Because of such
considerations as these, the telemetry receiving station at Cape Kennedy, Tel 4, is the
largest on the Eastern Test Range. In addition to the task of receiving and recording all
telemetry data for every countdown and during the first moments of every launch, Tel 4
serves as a data processing and distribution center for the entire test range telemetry
network.
Versatility and utility were essential considerations in the station design. Tel 4 is used to
receive, record, process, and display telemetry data from a wide variety of links, such as
PCM/FM, FM/FM, PAM/FM/FM, PDM/FM/FM, PCM/PM/PM, PCM/FM/PM, and
SS/FM. Non-standard signal structures can also be received and predetection recorded.
Figure I identifies the subsystems which have been integrated to provide these
capabilities. Five configurations of these subsystems characterize the anticipated
application of the station.
1.
2.
3.
4.
5.

RF to magnetic tape.
RF to video for real-time transmission.
RF to channel display for use in real time.
Remote site to display and distribution for real-time use.
Post-mission playback for processing and tape copy.

These five basic functions are accomplished by configurations which are patched
automatically, except for the RF patching between the antenna and the receivers. The
automatic patching is controlled from a central location by a master controller and four
launch coordinators. The master controller assigns equipment to each of the launch
coordinators for support of a particular mission. A display board indicates each
assignment and the equipment status. By this assignment, the coordinator is given access
to the equipment that is needed for his mission. He then proceeds to patch the
configuration by use of a keyboard or a paper tape reader. Equipment addresses and the
desired interconnections for a particular configuration are fed to a drum memory which

stores the patching instructions from each of the coordinators. A printer and a paper tape
punch are also available to the coordinator, providing him with a verification of the
patching that has been accomplished and a rapid method of re-patching a particular
configuration.
Configurations and Performance Models A multiplicity of subsystems, many
different modes of operating each subsystem, and the need to integrate selected
subsystems in a number of configurations are factors which characterize a large test
range telemetry station. The task of establishing performance standards for such a station
is greatly simplified by categorizing the total performance into subsets of equipment and
related performance parameters. These are defined in accordance with their applicability
to mission-related configurations. Four types of modeling have been used to systematize
and simplify the task of establishing performance standards for Tel 4. First, each range
user requirement serves to identify a mission-oriented configuration of subsystems.
These models evolve, in a very natural manner, from the original design concept, and
form the basis for a partitioning of the station into physical subsets. The second step in
the partitioning process is based on signal structure. Here the partitioning is two-tiered
and has a partial duplicity of frequency-modulated and phase-modulated signal
structures. Under the first level of partitioning are found those characteristics of the
signal structure which are related to the particular method used for multiplexing and
subcarrier modulation. These two characteristics of signal structure were combined in a
single level so that a two-dimensional array (Figure 2) will include the most frequently
used signal structures. The most often used techniques were determined by reference to
range user signal specifications. Several of the configurations are physically similar. For
example, the functional model is the same for each of the configurations in the first row.
The actual mode of operation, however, will depend upon details of the mission
requirement. Either predetection or post-detection recording might be required. In
addition, the signal structure for a particular mission will dictate the ratio of information
bandwidth to receiver bandwidth and the use of a frequency or a phase demodulator for
post-detection recordings. Still other details of the mission plan would dictate the use of
one antenna or another. When the particular subsystems, their modes of operation, and
the integrated configuration are identified by the functional model, a deterministic model
is used to estimate some aspects of performance. Statistical models are used to analyze
the performance data, to estimate confidence intervals, and to make other inferences of a
statistical nature. A fourth modeling concept has been used to investigate the effects of
frequency selection on multiple-link performance.
Telemetry transmission from boosters and space vehicles develops predictable field
intensities at Eastern Test Range telemetry antenna sites. Having provided, or when
planning to provide, a particular field intensity, a range user is concerned with the
relation between field intensity and data quality. This relation can be considered in two
parts. First, a relation between field intensity and system sensitivity involves the antenna

gain and the system temperature. From this relation, an estimate of relative signal and
noise levels at the receiver can be made. Second, a relation between the predetection
signal-to-noise ratio and the data quality is dependent upon the signal format and the
signal processing that is performed. Two examples will be used to illustrate the way in
which performance standards are being derived. The first example concerns the RF-totape and RF-to-video configurations, C13 and C23 , for a PAM/FM/FM link. The second
example concerns the RF-to-video configuration, C21, for a PCM/FM link.
Error Estimates for the PAM/FM/FM Configuration The PAM/ FM/FM format has
been used on many missions and present trends indicate continued use. Saturn, Atlas,
and Centaur boosters and the OV satellite series are among the users of PAM/FM/FM
telemetry links: To investigate the relation between relative signal level and data quality,
a test was performed to measure the accuracy of data delivered by Tel 4 when this station
receives a PAM/FM/FM link. Noise and bias were used as measures of data quality.
Digital comparisons provided the desired precision of measurement. The test was
performed in real-time and playback modes of operation, providing a measure of the
degradation that is introduced by the record and playback process, in addition to an
estimate of accuracy for the real-time mode.
The three modes of operation which were used in the collection of data are illustrated in
Figure 3. With the first, reference levels were generated by a simulator and recorded in
digital form on magnetic tape. The demultiplexer converted the PAM train to the
common-language format that is used to transfer data from one digital subsystem to
another at Tel 4. This common-language format was converted to a computer-compatible
format by the computer formatter. The data tape, recorded by the computer formatter, can
be used to process the data on a CDC 3600 or an IBM 7094 computer.
The PAM wave was simulated by passing digital data from a core memory, through a
shift register, to a digital-to-analog converter. Eight-bit words are used to define the
nominal amplitude that is assigned to each of the time multiplexed channels of the PAM
train. Eight-bit data words are again used in the common-language format that is used to
transfer data from the demultiplexer to the formatter. This eight-bit languag e provi ‘des
256 discrete levels and a decimal equivalent of 255 for the 100% level.
The simulated data consisted of a 30-channel, return-to-zero frame with a 50% duty
cycle. Selected channels were set for 0, 20, 40, 50, 60, 80, and 100% levels. Four
channels were set at levels corresponding to digital counts of 1, 2, 3, and 4. The level of
one channel was stepped at the frame rate from 0% to 100% and back to 0% in 20%
increments. Another channel was set for 0% and stepped to 100% on each tenth frame.
Two remaining channels were used for frame synchronization. This same frame of
simulated data was used in those parts of the test procedure which involved the second
and third modes of operation.

In the second test mode, the PAM wave was used to modulate a subcarrier. Different
subcarriers were used for each data rate. A composite wave, consisting of 15 or 16
subcarriers, was used to modulate the signal generator in each case. The resulting
PAM/FM/FM wave was patched to the receivers through the RF distribution subsystem.
From that point on, the equipment configuration was essentially the same as that which
might be used for data collection during a launch. The combined video from two
receivers was patched to a Type III demultiplexer and to the analog recorder. The
common-language output of the demultiplexer was patched to the computer formatter for
processing and digital recording. The analog recording of the combined video was
played back ana demultiplexed during, operation in the third test mode. The computer
formatter was again used to translate the common language and to record the data on a
computer-compatible, magnetic tape. Range timing was recorded on the reference tape
and on the data tapes to provide a means of correlating the recorded data with the mode
of operation, the sample rate, and the signal level used during each test run.
Equipment set-up procedures and readiness checks were essentially the same as those
that would be used in preparing for a real mission. Noise and linearity measurements
were made at 3.75, 30, 75, 150, 300, 600, 900, and 3600 samples per second. At each
sample rate, the RF input level was stepped from a maximum of 100 microvolts to a
minimum level of 1 or 2 microvolts.
A computer program was prepared to process the simulated PAM data which were
recorded in a 7094 format. The program extracts selected data spans for processing and
prints the samples in an array of frames (rows) and channels (columns). Means and
variance estimates are then computed for each data channel and for each group of data
channels which were assigned the same input amplitudes. Reference data were used to
compute bias errors in the output data. The analysis program determines the realtime/playback performance as the difference between reference values and the real-time
or recorded data. For this reason, the calculated bias values for the real-thrie and
recorded data do not include bias errors which were introduced by the subsystem
components used in the reference configuration. Bias errors in the reference data were
determined by comparing the reference means with the nominal amplitudes that were
assigned to each channel. The noise power and the noise voltage are calculated for each
channel, as estimates of the variance and the standard deviation of the data populations
from which the samples were taken. The noise in the output data is the net effect of noise
introduced at all points in the system.
In addition to the analysis of data from individual channels, the data from all channels
that were assigned the same nominal amplitudes were combined. The same calculations,
including bias and noise, that were made for the individual channels, were made for the
combined data. For example, six channels were assigned a nominal amplitude of 51

counts, 20% of the full-scale amplitude of 255 counts. The computer was programmed to
provide a mean value, rms noise, and a bias estimate for the combined data.
Figure 4 presents some typical results for the two sample rates at which the best, and the
poorest, performance was observed. As predicted by signal-to-noise estimates, the
performance for 3.75 samples per second was better than that for 3600 samples per
second. At a 10 microvolt input, the peak-data-to-rms-noise ratio is about 54.5 db for the
3.75-sample per second rate. The degradation caused by the record and playback
operation is about 3.5 db. Performance at 3600 samples per second was about 8.6 db
poorer than the performance at 3.75 samples per second.
Estimates of the bias for each channel were made by taking the difference between the
reference amplitude for a particular channel and the mean amplitude calculated from the
selected samples. The reference amplitude was obtained by computing the mean of a
number of samples which were recorded in the reference configuration. Of similar
interest is the additional possibility of directly calculating the nonlinearity of the system
transfer characteristic. On successive frames, channel 3 was sequenced from zero
amplitude through 20, 40, 60, and 80% to the 100% amplitude. The sequence continued
by returning the channel amplitude through 80, 60, 40, and 20% steps to the zero level.
The output amplitudes from this channel were used to estimate the nonlinearity of the
system at an input level of 100 microvolts and at a data rate of 300 samples per second.
The results are plotted in Figure 5, as percentages of the full-scale amplitude. The results
that are presented in Figure 5 were obtained from 150 frames of data. Fifteen frames
were used to estimate the zero-level and full-scale bias values. Thirty frames were used
to estimate the bias at each of the other amplitudes. An estimate of the mean square bias
error, assuming the occurrence of each amplitude to be equally likely when real data are
received, can be made by summing the squares of the departure from linearity at each
count and dividing by the available range of counts. For the real-time curve of Figure 5,
the rms bias error is 0.64% of the full scale amplitude. When combined with typical
noise levels, the rss error is less than 1%.
With a few relatively simple changes this procedure can be used periodically to estimate
time trends in the Tel 4 status and to establish standards of data quality for specific
PAM/FM/FM links. It can also be used to determine the quality of data tapes that are
recorded by downrange stations and mobile telemetry systems. Plans are being made to
implement exemplary tests of this type and to use this test method to measure the
degradation that is introduced by the predetection record and playback mode of
operation. These plans include the use of noise, in a manner similar to that suggested in
reference [1] , as a modulating signal for each subcarrier that is not modulated by the
PAM train.

Tests in a PCM Configuration Data have been collected over a period of time, and
under different conditions, to examine the behavior of Tel 4 in a real-time, PCM/FM
configuration. The test configuration that was used is shown in Figure 6. In November
1965, bit error probabilities were measured by comparison of a square-wave input signal
with the TDM-I primary synchronizer output. The RF distribution subsystem was used as
the point of signal injection. Several different filter combinations were used and the
effect of the AFC loop was observed. Approximately one month later, data were
collected to obtain a measure of repeatability. One set of conditions that had been used
during the first period of data collection was used as a “control” set. Tests were made
over a period of about six hours, with this set of conditions, to estimate performance
changes that might occur during a mission. In addition to the squarewave testing,
measurements of error rate were made with a repeated frame of random data. The RF
distribution subsystem was again used as the point of signal injection and the output was
compared with the modulating wave. A count of the comparator output pulses was made
to determine the number of bit errors.
More extensive tests were performed with a similar equipment configuration in August
1966. The set of “control” conditions was again used to permit a comparison of these
more recent data with those which were observed earlier. The tests in August extended
over a period of 11 days and were made on six different days within the 11 day period.
Routine maintenance procedures were followed between tests. No special procedures or
adjustments were requested. Tests were made with a wide range of bit rates and with
various filter combinations at several of the bit rates. Different ratios of deviation to bit
rate were used, as well as different deviations at a constant deviation ratio for both Pand S-band signals. In every case, bit error probabilities were measured for a TDM-I and
for a TDM-H; thus, a comparison of these two subsystems is available for many different
conditions.
Attention was given to the importance of collecting each sample of data in a way that
would decrease the confidence interval about the measured value. If the process under
examination is considered to be a series of Bernoulli trials, variation among the error
counts for a given set of conditions can be predicted by use of the binomial distribution
[2]. The variance of the binomial distribution is the product of the number of trials (n),
the probability of success (p), and the probability of failure (q=1-p). The standard
deviation is F = (npq)1/2 and the mean is np. Now, if the normal approximation to the
binomial distribution is accepted, approximately two-thirds of the measured error count
can be expected to fall within (npq)1/2 errors of the mean count.
If it is desired to reduce the data scatter at a particular signal level, the one-sigma ratio
(r) of the variance to the expected error count can be used as a basis for specifying a time
during which errors are to be counted

(1)

The approximation in Equation (1) is applicable when (1 - p) = q = 1. This is generally
the case at error rates low enough to yield desirable data. Since n = f bT, Equation (1) can
be rearranged to give an expression for the sampling time (T) as a function of the bit rate
(f b).
(2)
If the one-sigma scatter at an error rate of 10-5 is to be 20% of the error rate, the sample
period for a 172.8 kilobit per second data rate should be about 14.5 seconds. With this
sampling period, about two-thirds of the error counts should be grouped within 20% of
the mean count for a particular direction of attenuator rotation.
As the probability becomes small and the number of trials is made large, the Poisson
distribution becomes a good approximation to the binomial. Application of this
approximation was used to calculate the information in Table I. Here the probability of
observing error counts that are in error by a given percentage are tabulated for a true
error count of twenty. The chance that a count will be # 12 is 3.9%. If the dwell time
were decreased to allow a true error count of five, a similar calculation shows that the
probability that a count will be # 3 has increased to 26.5%.
Many data points are needed to evaluate the PCM/FM performance of a versatile system
such as Tel 4, and repeated tests are needed to keep the performance estimates current.
Such evaluation should not only measure the performance level, but should also establish
methods of testing and analysis that can be repeated to determine performance trends
throughout the operational life of the system. To process the many data points rapidly,
and in a way that will provide a hi6h level of accuracy, a regression analysis has been
used. A preliminary analysis shows the region of most interest, between bit error rates of
10-3 and 10-6 , to be well approximated by a second-degree polynomial. With this
performance model, the error rate (BER) is related to the signal power (P) or the signalto-noise ratio (S/N) as follows:
(3)
(4)
The regression analysis gives a best fit for the data and provides a measure of precision
for the data collected during any particular test. The best fit, obtained in this manner,
permits a uniform and unprejudiced comparison of test results. The least squares solution
for the regression coefficients minimizes the sum of the squared residuals,
.

An example of the results obtained with the regression analysis is presented graphically
in Figure 7. The means for six data points at each RF level are shown with a smooth
curve sketched through them. A computed error rate, from the regression analysis, is
shown for each signal level at which data were collected. Table II contains information
that has been extracted from a printout of the analysis program. Measured error rates
(MER) can easily be compared with the computed rate (CER) that is obtained from the
regression analysis. The percentage deviation of the measured error rate is also tabulated
to reveal the scatter of the data points about the regression line.
The analysis of data that have been accumulated provides initial estimates of some
performance uncertainties. Time effects within a day, from day to day, and over periods
of time in the order of one month and six months may introduce variations of about 1 to
1.5 db. Frequency effects and variations in the performance of different subsystems may
cause uncertainties of 1 or 2 db. Future test objectives will emphasize improved
estimates of significant uncertainties such as these.
Multiple-Link Performance Estimates of data quality may not be valid, if several
links are to be received simultaneously at high signal levels. Whenever multiple signals
are present in a wideband RF system, any amplitude nonlinearity in the transfer
characteristics of the system can generate in-band intermodulation interference and
degrade performance. The magnitude of the intermodulation interference depends upon
both the characteristics of the system nonlinearities and the power level of the received
signals [3] .
The interference that is produced by nonlinear elements in a wideband RF subsystem
can, in effect, increase the threshold level for frequency-modulated signals. Bit error
rates for a PCM/FM link will be increased by an amount that corresponds to the decrease
in signal-to-noise ratio. However, it has been shown [4] that a judicious selection of
carrier frequencies will minimize the effect of this self -generated interference. The
selection which produces a minimum level of interference power within the spectra
occupied by the selected carriers and their respective sidebands is considered to be
optimum.
For an input signal containing link frequencies f1, f2, ..., fn, the intermodulation products
of fi ’s are in general given by
(5)

where a, b, c, etc., are integer coefficients. Nonlinear responses and a crowded spectrum
can make it necessary to choose the link frequencies so as to minimize the in-band
intermodulation interference defined by Equation (5), if desired system performance

levels are to be attained. The general solution to this problem has been obtained by the
geometrical argument of assigning frequencies to vectors in an abstract vector space [4] .
Sets of frequencies obtained by this technique are not unique and may be rigidly
translated within the band or to any other portion of the spectrum without affecting their
intermodulation characteristics.
Comprehensive tests were implemented on two tracking antennas under field conditions,
using frequency sets that had been selected to reduce the effects of intermodulation
interference. The primary objective of these tests was a direct measurement of the effect
of intermodulation interference on PCM/FM error rates during the simultaneous
reception of ten S-band links. One antenna system was equipped with automatic gain
control on the preamplifier. The other provided a “Bypass” mode of operation for the
reception of high level signals.
The most essential features of the test configuration are presented in Figure 8. The
outputs from 10 signal generators were combined in a network of linear, passive
components. The combined signal was then delivered to the RF subsystem under test,
where any amplitude nonlinearity would be manifested by the generation of new
frequency components. The victim link receiver was tuned to the frequency of the victim
link generator and the video output was patched to the input of a synchronizer. The
regenerated PCM train was then compared with the PCM train that had been used to
modulate the victim link generator. A bit-by-bit comparison of the two-bit trains was
made and differences were counted by the error counter. A second baseband simulator
was used to modulate the other nine generators. This avoided an unrealistic correlation
between intermodulation interference, falling within the passband of the victim link
receiver, and the victim link sidebands.
Eleven receivers were used with spectrum display units to permit continuous observation
of each spectrum and to monitor the signal generator tuning. Ten of the receivers were
operated with crystal controlled first and second local oscillators to assure precise
frequency settings. Each generator was tuned by reference to the tuning meter on the
receiver which was assigned to receive the particular link. The eleventh receiver was
used, in the variable frequency position of the first local oscillator, to tune through the
band. This permitted any signal or interference spectrum to be viewed without disturbing
the other receivers.
The bit train that was used to measure error rates simulated realistic random data and
included a sync word for each 770 bit frame. The bit rate, deviation, IF bandwidth, and
video bandwidth settings were 400 kilobits per second, 150 kHz, 500 kHz, and 250 kHz,
respectively. The data bits for each frame were generated by “reading-out” random
numbers which had been stored in the simulator memory. Before testing a set of links for
degrading effects, a control run was made to establish a normal level of performance for

a particular set of conditions. This reduced the amount by which the desired measure of
degradation was affected by unrelated and uncontrollable or uncontrolled changes. This
“normal” error rate, as a function of signal level, for the victim link was determined for
power levels as high as -40 dbm at the input to the preamplifier assembly.
Initial tests were conducted on the antenna without preamplifier automatic gain control.
Normal performance for a 2211.5 MHz link with the preamplifier operating, is defined
for this system by the “control” curve of Figure 9. Having established the normal
performance for a selected link, each generator was set for an input level of -40 dbm.
Error rate measurements were again made for the selected victim link and were repeated
for reduced victim link levels. The repeated measurements resulted in a new performance
curve, relating victim link error rates to the victim link level. For this curve, the victim
link level was expressed as the difference between the victim link level and the -40 dbm
level of the nine “interfering” links. The results obtained in this manner, using the 2211.5
MHz link as the victim, were used to plot the curve labeled “-40 dbm.” It can be seen
from this plot that a 10.3 db difference between the nine interfering links and the victim
link results in a 10-5 error rate. At this point the victim link, for which error rates were
measured, has been reduced in level from -40 dbm to -50.3 dbm. Although this is still a
relatively high level, the error rate is increasing very rapidly with reductions in level as
though the system noise level had been greatly increased to define a new threshold level
for signal reception. The interfering link levels were held at -40 dbm while data points
were obtained for this entire curve. The degradation of performance under these
conditions is approximately 46.4 db, the difference between 5 the -40 dbm curve and the
control curve for an error rate of 10-5.
The third curve of Figure 9 was obtained at power levels just above the normal threshold.
A power level corresponding to an error rate between 10-6 and 10-5 was selected by
reference to the control curve. All generator attenuators were set to inject this power
level into the preamplifier assembly input terminal. The victim link power level was not
changed, while the power levels for each of the nine interfering links were increased.
Victim link error rates were measured for the different interfering link levels. The
resulting curve is labeled “low level.” At a 10-5 error rate, the difference between victim
link and interfering link levels is seen to be 26.7 db. Under these circumstances, the
degradation of performance is the difference between the victim link power level and the
power level for a 10-5 error rate under the “control” curve conditions, about 1 db.
The system was also tested in a “Bypass” mode. The preamplifier is biased to a nonamplifying point on its characteristic for this mode of operation. The result is a reduced
sensitivity; but very little degradation of performance was observed. With the interfering
links set for input levels of -40 dbm, the error rate for the victim link was essentially the
5 same as it was for the single-link test. At an error rate of 10-5 , a degradation of 0.2 db

is indicated by the data plots of Figure 10. The low-level test did not reveal the sharp
threshold that can be seen in Figure 9.
Similar measurements conducted on the antenna with automatic gain control resulted in
the performance of Figure 11. The curves show that the noise threshold produced by the
intermodulation products has been decreased by approximately 20 db, relative to the first
antenna. This substantial improvement in performance indicates that the latter system
may be capable of handling multiple link reception without significant data degradation
even at high signal levels.
Conclusions Performance standards are evolving from the tests used to evaluate
Eastern Test Range telemetry stations. A modeling concept is being developed to relate
the test experience to station capabilities in various mission-oriented configurations. The
models will be useful in predicting performance levels, with confidence intervals, for
specific mission criteria. This concept is being extended to include a complete
specification of anticipated data quality. The results of this test program would be useful
in the development of an IRIG standard for telemetry station performance.
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SUMMARY
This paper discusses the design concepts of a central data system (CDS) for more
efficient” flexible data management and its application in an advanced deep space solar
probe. The design features high data sampling rates, programmable data processing, bulk
data storage capability (for data sampled during periods of noncommunication), and
standard experiment package/CDS interfaces. The basic system concept is based upon
sampling each data point at a high rate in a fixed sequence and allowing a central
processor to select, process, and format sampled data into a highly efficient format for
transmission. The CDS is programmable so that data formatting and processing may be
reprogrammed via the command link to optimize data transmission for unexpected
conditions.
Preliminary design efforts have indicated that a CDS to process data from seven particle
and fields experiments can be designed, using present state-of-the-art components, to
weigh 16.5 lb and consume 5.4 watts (not including bulk data storage unit) from the
DC/DC converter.

INTRODUCTION
Spacecraft for deep space missions are characterized by long term operational
requirements and low telemetry transmission rates at the destination, as a result of both
the large interplanetary distances involved and the limited transmitter power available.
The highest data rate is needed at the destination to measure the planetary environment.
A central data system which provides a wide variety of formats and on-board data
processing makes possible efficient use of available telemetry bandwidth. A space
vehicle used as a laboratory for the investigation of properties of interplanetary space
and planetary environments may require transit times in the order of 18 months and
additional operating time of 3 years. The long distances over which the spacecraft must
operate, the unknown variations in the environment which may occur, and the duration
of these flights make it necessary that the data processor be extremely adaptable and
reliable. The adaptability should include provisions for accepting commands and
program changes from earth to adjust the processes to natch the environments
encountered and to maintain a high transmission efficiency.
These facts point directly toward increased on-board data processing or higher telemetry
rates or both. This paper presents the concepts developed for a programmable data
management system (for use in a deep space probe) which has the capability to select
and process scientific experiment data to maximize the utilization of the telemetry
bandwidth.
The design was constrained to a spin-stabilized spacecraft communicating with the
existing Deep Space Network operated by the Jet Propulsion Laboratory (JPL) for the
National Aeronautics and Space Administration (NASA). Tracking time availability and
command rate capability were considered. Standardization of interfaces between the
experiment package and the CDS permits the number of experiments accommodated to
be varied. This paper will consider seven particle and fields experiments.
The data processing capability of the CDS includes the seven basic functions of add,
subtract, shift left, shift right, compare - greater than, less than and equal to stored limits.
With these basic operations, algorithms can be written to perform most of the scientific
data processing required. Although this system is more sophisticated than current
spacecraft data processors, it must have equal reliability. This is achieved by providing
the capability of reprogramming to bypass failed components. The CDS design described
in this paper can be implemented with present state-of-the-art components.
The design offers great adaptability to a variety of missions and conditions by
reprogramming or by altering the stored program via the command link. Additionally)
the command processor, a part of the CDS, also decodes discrete commands for other
subsystems.

DATA TYPES AND DATA LOADS
Many of the data-handling requirements are common to several experiments and are
efficiently handled by the Central Data System. Since many experiments require
identical processing, hardware redundancy is minimized by the common signal
conditioning which permits the experiment/data system interface to be closer to the
sensing device. Additionally, this alleviates the special signal-conditioning requirements
within each experiment package to adapt the experiment to each specific spacecraft.
Certain types of signals (e.g., low level analog, high frequency, and narrow-pulsewidth
signals) must be conditioned within the experiment because they do not lend themselves
to routing through several feet of cable to a central point for processing. In addition to
the scientific data inputs, the CDS handles the housekeeping data for both the spacecraft
and the experiments. The solar-probe mission considered includes the following
experiments: micrometeroid, fluxgate magnetometer, cosmic-ray detector, plasma probe,
radio-propagation measurement,, fast-neutron detector, and a very low-frequency
measurement. Each experiment is briefly discussed below to define the interface, data
rates, and special processing required. Details of the experiment are presented in
reference 1.
Micrometeoroid Experiment
The micrometeoroid experiment measures the flux, momentum, energy, and spatial
variation in the flux of the minute particles found in the interplanetary space. Since the
events range from 10 to 100 impacts/day, the data rate is approximately 0.1 bps. The data
are asynchronous, not geared to spacecraft spin, and, therefore, only sampled during an
event. The measured parameters are particle velocity, direction, and energy. Most of the
processing is performed within the experiment package because of the lowlevel signals
and because of the need to reduce and standardize interfaces with the CDS.
Magnetometer
This experiment measures the steady-state and transient characteristics of the magnetic
field associated with the solar wind as a function of the radial distance from the sun.
These analog signals are processed by the CDS. Data sampling is geared to spacecraft
spin, and the expected data rates are 128 bps. Averaging techniques my be used to
reduce the data rates.
Cosmic-Ray Detector
This experiment measures the energy spectrum, angular distribution, composition, and
time fluctuation of the protons, electrons, and alpha particles originating from both the
sun and the galaxy. Because of the high-frequency nature of the experiment data, certain

logical functions are performed within the experiment. The output data to be processed
by the CDS are basically pulses to be counted and analyzed for pulse height. The data
sampling is geared to the spacecraft spin. The expected data rate is 74 bps. Logarithmic
compression can be performed by the CDS to reduce data rates.
Plasma Probe
This experiment measures the energy distribution, directional distribution, and the spatial
and temporal variations of the ion and electron components of the interplanetary plasma.
The analog data output is processed by the CDS. Data sampling is geared to the
spacecraft spin and the expected data rates are 129 bps. The CDS can calculate the
minimum and maximum values to reduce the data rates.
Radio Propagation Measurement
This experiment measures the average interplanetary electron density between the earth
and the probe and time variations of this quantity. Since the sensor is essentially an
antenna, the experiment package contains the signal-conditioning circuitry, such as a
receiver, demodulator, and filter. Both analog and digital outputs are received by the
CDS and sampled synchronously with spacecraft spin. The data rate is 228 bps. The CDS
can reduce this rate by calculating the minimum and maximum value of the experimental
data.
Fast Neutron Detector
This experiment, activated during solar prominences, measures the flux and energy
spectrum of solar neutrons in the energy range from I to 20 Mev. The data rate during
this solar flare is 225 bps. The experiment data are asynchronous with the spacecraft
spin; data are stored within the CDS during a period of 1 hour and transmitted at a low
rate over a period of 24 hours. The data consist of pulses which are counted and analyzed
for pulse height by the CDS.
Very Low Frequency
This experiment investigates the mechanism which binds the collisionless solar wind
into a fluid. The basic sensor for this experiment is an antenna. Consequently, signal
conditioning is performed within the experiment package to provide electric and
magnetic field information in the form of analog data. Data sampling is geared to the
spacecraft spin and the expected data rate is 51 bps.

CENTRAL DATA SYSTEM CONCEPTS
The objective of the CDS for deep space probes is to provide a programmable data
management system to select and process experiment sensor data into a highly efficient
format for transmission. The basic concepts developed to achieve the objectives of the
CDS are summarized in the following paragraphs.
Modes of Operation
Eight basic modes of operation appear to satisfy the needs of a deepspace probe and
provide the project manager with needed flexibility to meet varying mission
requirements. Five of these modes are programmable and three are fixed. The
programmable modes are:
•
•
•
•
•

Transmission of real-time data interleaved with stored data
Transmission of real-time data only
Transmission of high-rate engineering data only
Self-test mode
Data-store mode

The fixed modes of operation are:
• Processor program verification (contents of program memory are transmitted to
ground)
• Fixed real-time transmission (limited capability) synchronized by either actual or
simulated sun pulse
• Stored data transmission only
Input Data Sampling
Each data point is sampled at a fixed high rate and is processed and formatted by a
programmable central processor. This approach frees the processor from the necessity of
frequent program interrupts to sample data, thereby reducing both speed and power
requirements of the processor. The CDS samples synchronous data, geared to spacecraft
spin rate, and asynchronous data. Asynchronous data are formatted and transmitted only
when an event occurs and are interleaved with synchronous data.
Data Processing
The CDS can process and compress sampled data into an efficient format for
transmission. Data processing capabilities include algorithms, such as logarithmic data

compression, determining minimum and maximum values of “n” number of data
samples, and averaging data samples.
Command Processing
A command processor, independent of the data processor, decodes discrete commands
and processor program instructions. All transmitted commands are self-verified prior to
execution. This independent command processor is used within the CDS to enhance
system reliability. For example, if the central processor program becomes inoperative, it
is essential to have the capability for reloading the program memory via the command
link independently of the processor.
Flexible Telemetry Format
Telemetry rates of deep-space probes are low and it is therefore important to utilize the
available telemetry bandwidth efficiently. A flexible format is essential to assure
effective utilization of telemetry and avoid fill-in bits.
Elapsed Time
The CDS is designed with a central elapsed-time clock. The elapsed-time clock has a
resolution of 1 second with a long-term stability within ±0.01 percent for a 2-year period
and has a recycling tire of approximately 194 days. Elapsed time is transmitted within
each frame to provide adequate data correlation with elapsed time under all nodes of
operation.
Bulk Data Storage Capability
A bulk data store is provided on board the spacecraft for storing data during
noncommunication periods. The use of the bulk store will become more important as the
communication periods with the DSN become less available as more spacecraft are
launched. The CDS processes and formats the data prior to placing it into bulk data
storage so that it is ready for direct playback when communications are reestablished.
Stored/Real-Time Telemetry Interlace
Since there will probably be prolonged periods of data storage during noncommunication
with the spacecraft, the ability to interlace stored data with real-time data is essential.
With an interlace capability, uniform data samples can be transmitted throughout the
mission at each bit rate. It is entirely possible treat the amount of ground station time to
track the spacecraft can vary from 8 to 10 hr/day to as little as 8 to 10 hr/week. The
Central Data System must provide reasonably uniform data coverage under these

circumstances. More storage capacity is required when tracking time is reduced;
therefore, interleaving stored with real-time data will result in greater spacing between
real-time data samples.
Standardized Experiment/CDS Interfaces
Flexibility is basic to any stored program system. Consequently, for a central data system
to maintain this flexibility, it is essential that experiment/data system interfaces be
standardized to avoid expensive redesign as various experiments or missions are
considered. The CDS utilizes three basic input signal interfaces. These are: pulse data
(counting), analog signals, and bilevels (status signals). Pulse data are either pulse/height
analyzed or counted.
These basic concepts make possible a system design with optimum operational
flexibility. They provide system flexibility from mission to mission by utilizing standard
equipment interfaces and programmable operation. Also, the capability for inflight
program modification is provided to optimize system operation and to meet changing
conditions and data requirements.
CENTRAL DATA SYSTEM DESCRIPTION
A simplified block diagram of the CDS is shown in Figure 1. (See references 2 and 3 for
detailed diagrams.) The solid lines in the figure illustrate data flow; the dotted lines
illustrate control signals.
The basic CDS design consists of the following elements:
•
•
•
•
•
•
•
•

Input data sampler (IDS)
Input data buffer (IDB)
Data processor
Output buffer (OB)
Fixed real-time transmission logic
Coding logic
Command processor
Bulk data store unit (not included in weight and power estimates)

The CDS samples input data from experiment packages and from spacecraft performance
sensors in the form of three basic types of signals (analog, pulse, and bilevel data). All
analog data are encoded to 8-bit accuracy by one-time shared analog-to-digital converter.
Each synchronous data source, dependent upon spacecraft rotation, is sampled 64 times
per spacecraft revolution and stored for processing by the data processor. The processor

selects the desired samples from the IDB, performs the required data compression (e.g.,
log scaling, minimum-maximum determination, averaging, etc.), and formats the
processed data for transmission. All processor operations are controlled by a stored
program. The size of the output format is programmable to permit efficient telemetry
utilization at each data bit rate.
The CDS timing and synchronization has been designed to provide an input data sampler
that operates essentially independently of transmission link requirements. That is,
experiment data are sampled by the IDS and stored within the IDB until the processor is
ready to select data for processing. The processed data are formatted and placed into one
of the two output buffers for transmission. The only timing requirement is that data must
be processed at a high enough rate to ensure sufficient data being available for
continuous uninterrupted transmission.
Since the data are processed prior to transmission, data are sampled independently of
transmission link requirements. For examples as the allowable transmission bit rate
decreases as the earth-spacecraft distance increases, the processor will select fewer
samples to be transmitted per spacecraft revolution. Also, data compression will further
reduce the data transmission requirements.
Modes of Operation
The CDS has five programmable modes of operation (Figure 2). Only one mode is
operable at any given time. The real-time data interleaved with stored data refers to the
operation in which the spacecraft is in communication with the DSN. During this time,
the CDS will alternately transmit real-tine data and stored data (from the bulk store unit)
on a frame basis. A real-time-data-only mode is provided to transmit only real-time data
at twice the data rate of the real-time/bulk-store mode. The data store mode refers to
storing data into the bulk store. High-rate engineering-only mode refers to the
transmission of spacecraft performance and experiment status data at a high rate during
launch phases or during times of suspected spacecraft malfunction. A self-test mode is
provided to evaluate CDS performance during the course of the mission.
Each of the five programmable modes requires an individual program; however,
common subroutines are shared among all program. That is, one bank of the processor
program memory contains subroutines and the other bank contains the main programs.
The main program branches off into a subroutine whenever one is required; after the
subroutine is performed the main program is continued.
The three fixed modes of operation axe designed to bypass the processor. They are used
to transmit a limited quantity of scientific and engineering data during periods when the
processor program is being modified or verified and during times when a processor

malfunction is suspected. The input data sampler operates in its normal sequence during
this mode. However, instead of the processor selecting data samples from the IDB, a
fixed programmer selects them as shown in Figure 1. The selected data are directly
formatted by the fixed real-time transmission logic and are fed to either the coding
circuitry or directly to the transmitter. The real-time transmission mode provides minimal
scientific data during periods of processor reprogramming or in the event of processor
failure.
Input Data Sampling
A fixed programmer provides control signals required to sample all data inputs in a fixed
sequence. Bilevel data are sampled and stored directly into the IDB. Analog data are
sampled and encoded into an 8-bit binary number for entry into the IDB. Pulse data are
first accumulated -within counters and then sampled and stored within the IDB.
All synchronous data are sampled 64 times per spacecraft revolution. This is
accomplished by dividing each spacecraft revolution into 64 equal segments called
sectors. Each sector is also divided into 64 segments called words.
Figure 3 illustrates the characteristics of a single spacecraft sector. As shown, analog
inputs are sampled, encoded, and stored within the IDB during word times 1 through 20.
Pulse data are sampled for one sector and stored within the IDB during word times 21
through 34. Low-rate data are sampled once per spacecraft revolution in word 35.
Subcomnutated data are sampled once per 64 spacecraft revolutions in word 36. Spare
words are provided for growth capability and to accommodate small changes in spin rate.
Data Processing
Data processing is defined as those operations performed on sampled data by the
processor prior to transmission. Processing operations include:
• Selection of specific data from the IDB and the auxiliary memory
• Data compression
• Data formatting
These operations are programmable and are under the control of a processor instruction
memory.
The processor is capable of performing specific data compression. The operations
include log scaling, averaging, determining minimum and maximum values of n samples,
and any other data operation which can be performed by basic addition, subtraction, and
shifting left and right, etc. At lower bit rates., the processor will reduce the number of

bits per frame by selecting fewer samples per spacecraft revolution and by performing
more data compression such as log scaling data, finding minimum and maximum values,
etc. The processed data are automatically formatted as they are transferred from the
processor to the output buffers. During the transfer operation, the processor will perform
the following formatting steps:
1) Select the frame synchronization bits from the processor instruction momory and
enter them into the appropriate output buffer memory locations.
2) Enter subcommutator, bit rate, and format identification into appropriate output
buffer locations.
3) Store processed data into programmed output buffer locations. Store sector
identification bits to identify data with its sector sampling address where required,
i.e., minimum-maximum.
4) Determine the size of each frame according to the processor program.
5) Format and store each frame of data to permit continual uninterrupted real-time
transmission of data alternately from the two output buffers.
A typical processor program flow diagram is shown in Figure 4. A typical format for
1024 bps transmission rate is shown in Figure 5. This is one example of many formats
which are possible by programming. The format is divided into four basic sections:
•
•
•
•

Frame identification
High-rate data
Low-rate data
Subcommutated. data

The resultant frame size for the example format (Figure 5) is 1087 bits. The frame sizes
axe programmable and any practical frame size may be used for each of the eight
transmission bit rates. Typically, frame sizes on the order of 512 to 1200 bits can be used
for the CDS. The only criterion is that, whatever frame size is chosen for a given
transmission bit rate, a complete frame of data must be processed, formatted, and stored
within the output buffer in time for continuous uninterrupted transmission.
Table 1 lists the processing algorithms and total transmission bits for each experiment
for the eight transmission bit rates. Various formats can be derived from Table 1. A
format ID identifies all formats for the CDS modes of operation shown in Figure 5.
Input Data Buffer
Two IDBs permit data to be sampled during each spacecraft revolution. That is, one IDB
is being filled while data are being extracted from the other ‘ IDB for processing. Both
IDBs are used during the real-time scientific “only” mode. This procedure also provides

for a partially redundant mode of operation to increase system reliability. That is, a
special mode may be commanded which will bypass one of the two IDBs. Data will then
be entered into the one selected IDB during one spacecraft revolution and read out for
processing during the next.
Output Buffer
Two output buffers are used to avoid time-sharing problems associated between write-in
and readout of data, and to minimize circuit complexity. The processor can then perform
its operations asynchronously and avoid the severe constraint of time-sharing the output
buffers. Thus, the processor loads data into one output buffer while the other is being
read out for real-time transmission.
Each output buffer has a capacity of 1200 bits. The size of each frame, however, is
programmable by the processor. The processor can store more than one frame of data
into an output buffer. This nay occur at the lower transmission bit rates where the frame
size is approximately 246 bits.
Command Processor
The command processor receives transmission commands from the ground tracking
stations to control various spacecraft operations. The command processor:
1) Accepts a serial data train from ground stations up to a frequency of 1 kHz.
2) Accepts, verifies, and decodes transmitted discrete commands:
• 35 for the CDS
• 27 for the experiment sensors
• 22 for other spacecraft subsystems
3) Reprograms processor instruction memory, verifying each instruction prior to
entering it into the processor memory.
The philosophy adopted for verifying commands prior to execution by the CDS provides
multiple checks (i.e., parity, complement, and duplication) on-board the spacecraft in
lieu of transmitting each command to the ground station for verification. This philosophy
has been adopted because of the extensive time required for communication between the
DSN and the spacecraft. For example, at a distance of 2 AU approximately 32 minutes is
required to transmit a command to the spacecraft and receive a verification signal back.

Bulk Store
The bulk store is used to store processed data during periods of noncommunication with
the DSN. Data are processed, formatted, and stored within the bulk store at the
prevailing transmission bit rate.
When communication is reestablished, stored data are transmitted with real-time data on
an alternating frame basis. For example, if the communication period is a maximum of
11 hr/day, 11 hours of real-time data will be transmitted with as much as 13 hours of
stored data. The data stored over the 13-hour period are reduced by the processor so that
it can be transmitted over a period of 11 hours interleaved with 11 hours of real-time
data. The usable storage capacity is 2x107 bits at 512 bps. Based on the present state of
the art, storage capacity can be provided by a tape 4316 feet long which includes gaps
for properly timing the interleaving.
Typically, interleaving is achieved by allowing the processor to load one frame of
processed real-time data into an output buffer and one frame of stored data from the bulk
store within 1 second. That is., during the interleaving mode of transmission, each output
buffer is loaded with one frame of real-time data and one frame of bulk store data. Figure
6 illustrates the timing relationship between processing and transmitting of data in this
mode of operation. At the highest transmission bit rate, the realtime data frame and the
bulk-store data frame consist of approximately 512 bits each. This means that 1024 bits
of data are transmitted from each output buffer every second.
Timing gaps are provided (Figure 6) to reduce the accuracy requirements of the tapespeed control loop. The tape speed is synchronized to the frame rate of the output buffers
by use of a proportional control servo loop.
Convolutional Coding
Convolutional coding with sequential decoding can be used to improve the telemetry
link performance in terms of reducing the undetected error rate and increasing the data
rate. Such a technique has been developed at Ames Research Center and is being
implemented for future Pioneer spacecraft missions.
A coding gain of 5.6 to 6.6 db is achievable over no coding. This is a 3 to 4 db gain over
simple parity check codes such as used in the Pioneer VI and VII spacecraft data
systems.

CDS Self Test
A self-test routine within the processor instruction memory may be called upon
automatically, perhaps at daily intervals, to evaluate the performance of the CDS. A
special routine will check offset and calibration of the experiments; another routine will
test A/D converter accuracy by encoding three known voltages and comparing them
against stored limits. The data operator will be checked for proper addition, subtraction,
shifting, etc. The results from each test may be transmitted to the ground or a simple test
OK code ray be transmitted for the entire self-test routine within the subcommutator.
Processor Memory Parity Check
The processor memory is checked. for parity each time an instruction is read. If a parity
error occurs, the CDS automatically enters the fixed real-time transmission mode which
will completely bypass the processor. The ground station is notified via the real-time
transmission that a parity error has occurred. The ground station may then command
switching to a redundant processor instruction memory or a program verification mode
may be commanded where the contents of the program in use are transmitted to the
ground. If only a few commands are in error, they may be re-entered into the processor
instruction memory via uplink transmission thereby saving the time required to reload
the entire program.
Transmission Bit Rate Selection
The CDS can transmit data at eight bit rates: 2048, 1024, 512, 246, 128, 64, 32, and 16
bps. At the present time, three programs will be used to process data at the different
transmission bit rates. For example, one program may perform processing at 2o48 and
l024 bps, a second program at 512, 256, and 128 bps, and third program at 64, 32, and 16
bps. The programs are not exclusively for one set of transmission bit rates. For example,
the processor program normally allocated for the 1024 bps transmission rate can be used
at the lover bit rate of 64 bps. However, with this combination, 16 spacecraft revolutions
may be required to transmit one frame of data.
Weight and Power Summary
A preliminary design of the CDS, based upon available low-power integrated circuit
logic, results in a total weight of 16.5 lb consuming 5.4 watts of power from the DC/DC
converter.
Weight and power calculations for the CDS memories are based on the use of core
systems with operating speeds up to 4600 memory cycles per second.

CONCLUSIONS
This study has shown that fixed input data sampling is important to free the Central
Processor from the burden of frequent program interrupts; command processing must be
independent of the Stored Program Central Processor; uniform data coverage, for each
respective bit rate, can be provided by the proper use of a bulk data store on board the
spacecraft and then interlacing stored data with real-time data during periods of
comtrunication with the spacecraft; up to eight modes of operation are required to
furnish the program manager with the needed flexibility to meet varying mission and
data requirements; and that a flexible data format is essential to make optimum use of the
limited telemetry capability on deep-space missions. Therefore, the resultant CDS design
provides a system for many missions with only a one-time development and qualification
cost.
The system described can be termed a third-generation spacecraft data system. (The firstgeneration systems were hardwired, fixed-format systems; and the second generation
utilizes flexible-format capabilities on board the spacecraft which can be altered from the
ground via conmand link.) The CDS concepts and designs described offer great
flexibility under the control of the stored program which may be altered via the
command link. A fourthgeneration spacecraft data system probably will incorporate most
or all of the third-generation capability along with programing or hardware capabilities
that allow the system to be self-adaptive. These systems will have primary importance
when the command capability diminishes drastically because of the increased distances
involved.
Although only seven basic types of experiments applicable to a solar probe were
considered, other types of experiments or instruments could yield valuable information.
For example, taking TV pictures of the other side of the sun and transmitting to the earth
information indicating the sun spot and solar flare activity could aid in developing
techniques for predicting solar activity. Such techniques could become extremely
important as space travel increases, insofar as they would make possible more accurate
prediction of solar storms. The CDS could accommodate data from such a TV system by
increasing the memory size and processing capability. New sensors can be readily
accommodated by the CDS as they become available because of the concept of a
standard interface between the CDS and experiment packages.
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Fig. 1 - Simplified CDS block diagram.

Fig. 2 - CDS modes of operation.

Fig- 3 - Spacecraft sector detail diagram.

Fig. 4 - Flow diagram of processing and formatting operation.

Fig. 5 - Typical format.

Fig. 6 - Processor timing for transmission of real-time data interleaved
with bulk store data.

A MULTIPLE FORMAT STORED PROGRAM DATA
ACQUISITION SYSTEM
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Summary A multiple format telemetry system is described which is flexible enough to
be adaptable to many applications. The system incorporates a flexible programmer that
utilizes a non-destructive readout memory which operates in conjunction with an
external index counter. Subcommutator addresses stored in memory are addressed
partially by the index counter and partially by the format instruction. Multiple formats
can be generated, limited only by the requirement that the sampling rates in a given
format be binary multiples of the slowest sampling rate in that format. The advantage of
this programmer lies in the flexibility accommodated, typically, with one or two readonly memory cycles.
The remote acquisition units used in the system are flexible in that they can be
configured to provide various combinations of low-level, high-level, and bi-level inputs.
These units are designed primarily from two large scale integrated (LSI) rnetal-oxideserniconductor (MOS) building blocks. One LSI circuit is a sequential multiplexer,
which also functions as an analog-to-digital (A/D) converter; the other circuit is a 16channel random access multiplexer.
Introduction During the past few years, the interest in remote addressable time
division multiplex systems and electronically programmable flexible format generators
has been steadily increasing. Some of the reasons for the interest in these systems
include:
1)
2)
3)

The increasing importance of telemetry systems in, real, time data management
rather than primarily as a means of collecting data for postflight analysis.
The need for flexible data acquisition systems that are adaptable to the various
data acquisition phases of a mission.
The need for a standardized telemetry systern that is flexible enough to handle a
wide variety of experiments, with data parameters that are undefined until a short
time before launch.

4)
5)

Greater emphasis on reducing the system weight, by minimizing the telemetry
cabling requirements for complex missions.
The availability of microelectronic circuits that provide greater reliability and
complexity at a reduced cost.

Several stored program data acquisition systems are presently being built, while others
are being studied. Each design and each study represent a further step in the evolution of
these “second generation” telemetry systems. Paralleling the evolution of these system
concepts, is the third generation microelectronics, better known as large scale
integration. These combined concepts have been utilized to provide a flexible telemetry
system that is capable of meeting the requirements stated above.
This paper presents the design concepts for a stored program data acquisition system that
utilizes a flexible format generator, operates in the read-only mode, and uses LSI circuits
for the multiplexers and in the analog-to-digital converters.
System Configuration The functional organization of the stored program data
acquisition system is shown in figure 1. The system contains a central acquisition unit
and as many as eight remote acquisition units. The system accepts high-level analog,
low-level analog, and bi-level inputs from up to 1024 data sources. In this system, each
data source is identified by an unique 10-bit address and is selected in a sampling
sequence determined by data formats stored in the programmer memory.
The central acquisition unit contains a multiple format programmer, a computer
interface, a command interface, a digital combiner, and a redundant power supply. The
multiple format programmer typically stores four formats. Each format has 128 words
per main frame and up to 128 main frames per major frame. These formats are stored in a
12-bit 2048-word Non-Destructive Read Out (NDRO) memory. The computer interface
allows the computer to access any of the data channels on a non-interfering basis. The
command interface provides inputs that control the format selection and bit rate. The
command interface can also be used to alter or reprogram formats. These reprogramming
commands originate either on the ground or in the on-board digital computer. The digital
combiner performs the function of buffering and interleaving fixed words from the
programmer with digital data words from the remote acquisition units.
Each remote acquisition unit contains a low-level multiplexer, a high-level multiplexer, a
bi-level multiplexer, an analog-to-digital converter, an address register, and a redundant
power supply. The number of low-level, high-level, and bi-level input channels can be
configured in various ways to provide a maximum capability of 128 addressable inputs
for each remote acquisition unit. The system described contains 64 high-level, 16 lowlevel, and 64 bi-level inputs for a total of 88 addressable inputs for each remote
acquisition unit.

Three lines are used to interconnect the remote acquisition units with the central
acquisition unit. These three lines are a multiplexer address line, a data return line, and a
512-kHz clock line. The address is coded into an 11-bit serial Non-Return to Zero (NRZ)
word. The first bit of the address word is a sync bit, which is always “1”; the next three
bits select the remote acquisition unit to be addressed; and the last seven bits select a
particular multiplexer address within the selected remote acquisition unit.
Programmer Design The programmer is the internal control center of the data
acquisition system. It provides the various formats, bit rates, synchronization words,
channel addresses, and subchannel addresses.
The functional organization of the programmer is shown in figure 2. Each of the
functional parts is described in the following paragraphs.
The timing in the programmer and other central acquisition unit subsystems is derived
from a stable crystal oscillator. The output of this oscillator is divided down by the
timing circuits to provide the basic timing for programmer memory and the other
functions in the central acquisition unit. The timing circuits also input a word rate pulse
to the binary counter. The word rate selection is controlled by the format control register,
which also controls the format selection. The format control register receives its input
from the command interface.
The binary counter provides the timing for indexing the format instruction registers and
subcommutation instruction registers. The seven low order positions of the binary
counter are used for format instruction indexing. The format gates control gating of
seven bits from the binary counter and four bits from the format control register into the
memory address register (MAR).
The sample rate gates contain seven sets of gates which correspond to the seven
subcommutation sample rates of 1/2, 1/4, 1/8, 1/16, 1/32, 1/64 and 1/128 sample per
frame. Each of these sets of gates controls gating of either five, six, or seven bits from
the binary counter into the MAR for subcommutation instruction indexing. The sample
rate gates are selected by the sample rate decode logic as determined by decoding the
sample rate field of the type IV instruction word.
The memory address register is 11 bits long. The MAR contains the address of the
memory word location that is read or written into during a memory read or write cycle.
The MAR receives its inputs from several different sources in the programmer and from
the command interface.
The memory buffer register (MBR) is a 12-bit data buffer that performs the interface
between the memory and the programmer.

The instruction decode determines the type of instruction. The output of the instruction
decode controls the MBR gates that route the other field(s) of the instruction word to
various locations throughout the central acquisition unit.
The instruction decode also controls the selection of the frame count gates that are used
to gate the frame identification word from the binary counters into the digital combiner.
The programmer memory is a Random Access Non-Destructive Advanced Memory
(RANDAM), which was developed by IBM. This type of memory has been subjected to
extensive testing in the Orbiting Astronomical Observatory and Gemini programs. The
basic storage element for all RANDAM memories is the Multi-Apertured Reluctance
Switch (MARS). The MARS device has NDRO capability in that the power and
equipment required to restore information after a read cycle as in conventional core
memories is not required.
The memory capacity is 2048 12-bit words. There are two planes per frame, which allow
the basic array to consist of only six frames in the Z or word length dimension. A
conventional square 64 by 64 (4096 word) plane frame is used to accommodate the
planes.
As shown in figure 3, the array consists of six plane frames, two support end caps with
the associated assembly hardware, and access tape cables. Memory interconnections
between electronics and array are accomplished via multilayer interconnection boards
and the attached tape cables. The memory addressing circuitry incorporates, to the
maximum extent possible, hybrid microminiature techniques. Address current pulse
amplitudes are compensated as a function of ambient array temperature by means of a
temperature compensating voltage. This voltage is derived from thermal-sensitive
resistors implanted in each plane of the array.
Formatting flexibility is provided in the programmer by storing each of the four formats
in the format instruction section of memory (locations 000-511). This section of memory
is partitioned into four registers, each containing 128 words. Each format instruction
word corresponds to a word location in a main frame. The remaining 1536 memory
locations are allocated to the storage of subcommutation instructions. There are five
instructions that are used in the programmer. These five instructions are defined in
figure 4.
Type I instruction is an unconditional branch used to fetch a second instruction
indirectly. The type II instruction is used for multiplexer addressing. The type III
instruction is an output instruction that is used to insert fixed words such as
synchronization words into the output format. The type IV instruction is an output
instruction that is used to control the outputting of the frame identification word. The

type V instruction is a time dependent branch used to fetch a subcommutation instruction
indirectly.
The type V instruction is the key to the programmer operation. This instruction enables a
single binary counter to perform all memory address indexing for the selection of both
format and subcommutation instructions. The 6-bit partial address field of the instruction
word is a binary number from 16 to 63 and is used to select one or a group of the 48
registers from memory locations 512-2047. Each of these 48 registers contains 32
subcommutation instructions. The 3-bit sample rate field selects a portion of the binary
counter, which in turn addresses a particular memory location in the selected
subcommutation instruction register. The selected positions of the binary counter are
related to the corresponding subcommutator sampling rate in that the selected counter
positions are incrementing at 32 times the selected subcommutation sample rate.
Figure 5 is a flow diagram that depicts the basic operation of the programmer. The
process of forming a multiplexer address or fixed word begins with a memory read
operation to obtain a format instruction. The format instruction is then decoded to
determine whether the format instruction is a type I, II, III, IV, or V. If the format
instruction is a type IV instruction, the multiplexer address contained in the instruction is
transferred to the remote acquisition units. When the format instruction is a type III
instruction, the fixed word field of the instruction word is transferred to the digital
combiner. When the format instruction is a type IV instruction, the major frame length
field of the instruction word selects a number of positions of the binary counter and gates
the contents of these counter positions to the digital combiner. These selected counter
positions indicate the frame count. Either the type I or type V instruction causes a second
instruction to be read from memory. As many as three instructions may be sequenced,
thus providing an effectively larger instruction set without increasing the system
complexity.
LSI MOS Devices Each remote acquisition unit is structured primarily from two
metal-oxide-semiconductor integrated circuit devices. These two integrated circuit
devices are the MOS 810 and MOS 816. These two devices were developed in a joint
program by IBM and General Instrument Corporation.
The MOS 810 is a versatile MOS integrated circuit that can be used for sequential timedivision multiplexing or as a successive approximation analog-to-digital or digital-toanalog converter. When used as an A/D or D/A converter, an additional ladder network
and comparator circuit are required. The MOS 810 may be used as a 8-, 9-, or 10-bit A/D
converter or as a 8-, 9-, or 10-channel sequential multiplexer. As an 8-bit A/D converter,
the MOS 810 will operate at rates exceeding 30,000 conversions per second and will
perform A/D conversion of 10-bit accuracy at rates to 20,000 conversions per second.
The schematic of the MOS 810 is shown in figure 6.

The MOS 816 is a 16-channel single-ended random access multiplexer that can also
function as an 8-channel differential multiplexer for low-level applications. An analog
channel is addressed by a 4-bit parallel address word. The address word is entered into
an internal flip-flop register upon application of a load command. A fifth input line is
available as a control line that will inhibit all channels on the device. A control input is
provided for the selection of differential mode operation. A schematic of the MOS 816 is
shown in figure 7.
Remote Acquisition Unit A block diagram of the remote acquisition unit is shown in
figure 8. This remote acquisition unit has 64 high-level analog inputs, 16 low-level
analog inputs, and 64 discrete bi-level inputs. Nine MOS 810’s and eight MOS 816’s are
used in the remote acquisition unit. Each of these circuit modules shown in figure 8 is
numbered for identification.
The first level multiplexing for the 64 high-level analog channels requires four MOS
816’s (#1 - #4). The 16 differential low-level channels require two MOS 816’s (#5, #6).
The two differential modules are coupled together so that only one is selected at a time.
The differential outputs of these two modules can therefore be connected and fed into a
single low-level amplifier. The outputs of the four high-level modules and the low-level
amplifier a-re selected by a MOS 816 (#15) that is used as a second level multiplexer.
This selection is made by address bits 5 through 7. The output of this MOS 816 module
is fed into the 8-bit A/D converter. A block diagram of the MOS 810 A/D converter is
shown in figure 9; a photograph of this A/D converter is shown in figure 10.
The discrete bi-level multiplexer employs eight MOS 810 modules (#7 - #14). The
output of these 8 bi-level modules are fed into eight inputs of another MOS 816 (#16).
The output -of the A/D converter is fed into the other eight inputs of this module. Each
multiplexer address selects either the output of one of the bi-level MOS 810 modules or
the output of the A/D converter. The output of module #16 is normally inhibited, except
when the appropriate combination of bits 8, 9, and 10 are detected by the remote
acquisition unit. The remote acquisition unit selection is determined by a program plug;
therefore, except for the wiring of the program plug, the remote acquisition units are
identical.
The multiplexer address word is received by the -remote acquisition units as an 11-bit
NRZ serial word at a 512-kHz rate. The 512-kHz clock is used to transfer the address
word into the address register. When the first bit (sync bit) of the address word shifts into
the eleventh register position, an execute pluse is generated which transfers the 10-bit
address into the address registers of the MOS 816 modules. The execute pulse also
initiates the sequencing of the MOS 810 modules in the bi-level multiplexer and A/D
converter.

The bi-level multiplexers and the AID converter operate at a rate of 256 kHz. A single
MOS flip-flop is used to derive the 256-kHz clock from the 512-kHz clock. The execute
pulse is used to synchronize this flip-flop in order to maintain system phase
synchronization for this 256-kHz clock.
The output data from the remote acquisition units is transferred back to the digital
combiner as an 8-bit NRZ serial word at the 256-kHz rate.
The digital combiner buffers these words and interleaves them with the fixed words from
the programmer.
Conclusions The objective in designing this system was to provide a design of high
reliability with a maximum degree of flexibility. The reliability of the system is enhanced
by the simple read-only operation of the programmer memory and by the maximum use
of LSI circuits in the remote acquisition units. The flexibility is provided by the multiple
format stored program operation.
Reference Hill, D. R., “Development of Metal-Oxide-Semiconductor Arrays for Pulse
Code Modulation,” IBM No. 67-U60-0004, presented at Thirteenth Southeastern
Instrument Conference, Cape Canaveral, Florida, April 1967.
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Summary This paper deals with methods of detecting and displaying the quality of
received telemetry data automatically and in real time. The most commonly used forms
of telemetry multiplexing are considered in detail-with reference to application of the
techniques to other similar forms of multiplexing. This paper is a result of a study -and
hardware development which resulted in equipment now at Cape Kennedy and capable
of detecting and displaying bit error rate on PCM telemetry, percentage of channel error
on PAM and PDM telemetry and signal-to-noise ratio on FM/FM telemetry.
The discussion -is oriented toward the theory of operation and techniques for automatic
real time data quality analysis rather than toward the hardware. Methods of detecting and
displaying the various data quality indicators is emphasized resulting in conclusions that
in many instances relatively reliable data quality indications are possible in real time, but
it must be realized that any indication of quality represents a review of conditions of the
received signal over some finite averaging interval and thus no measurement can ever
provide instantaneous quality indications.
Introduction This paper was generated as a result of a combined study and hardware
development contract with the Air Force at the Air Force Eastern Test Range. The
problem was that Range Safety makes use of some Telemetry Data for critical real time
decisions and wanted some indication of the quality of the data they were receiving from
the telemetry facilities. The study was to consider the various commonly used telemetry
equipment and attempt to determine what direct information could be obtained from the
signals, which directly or indirectly provided some measure of the quality of the data
being received. A study report was followed by a Preliminary System Design Report, a
Final System Design Report and ultimately a Quality Monitoring Console installed at
Telemetry Building #2 at Cape Kennedy. The system has been connected into various
equipments it will monitor and has been checked out. However, to date personnel and/or
money have not been available to perform an evaluation of the results obtained from the
system.
In the study phase, the typical equipment and methods of interconnection within the
telemetry building was determined by direct discussions with operating personnel. Each

equipment was studied :to determine the nature of the input and output signals, and also
all possible signals within the equipment which might be monitored to obtain indication
of data quality.
The Telemetry Data Modulation schemes considered in detail included FM/FM,
PAM/FM/FM, PDM/FM/FM and PCM/FM. These represent the most commonly used
forms, but are also representative of the two major classes of telemetering multiple
measurements, namely frequency division and time division multiplexing. Most of what
is said in this paper will be applicable to one or the other of these major classes.
Typical Ground Equipment Configurations Figure 1 represents a typical
interconnection of equipment. In receiving FM/FM telemetry an Auto Tracking Antenna
System is used in conjunction with one or more steerable antennas. The two signals are
independently preamplified and connected through multicouplers to separate banks of
receivers, which feed their video output to combiners. At AFETR, short range, low
elevation aspects of aiming the antennas frequently produce multipath reception which
destroys the useful reception on one antenna while not effecting the other. The
combiners sample the video spectrum between 45 Kc or 100 Kc and the upper limit of
bandwidth of the receiver output, and use it as an indication of S/N ratio for each RF
input. The combiners mix the signals in proportion to their relative S/N ratio. In this
manner, the combiner passes the best quality data from one or more of the input
channels.
From the combiners, video is distributed to the decommutation equipment. In FM/FM,
this equipment is banks of subcarrier discriminators. The output of these are individual
analog data channels.
Most present use of PAM and PDM telemetry involves inclusion of the pulse data on
subcarriers of an FM/FM system. Thus the only difference is additional decommutation
equipment at the output of a discriminator.
PCM/FM usually covers a wider information bandwidth than FM/FM. At AFETR,
different receivers specifically designed for PCM are used. Since PCM video contains a
continuous spectrum the combining technique used for FM/FM cannot be used. Thus,
the output of a single receiver is used to feed a PCM decommutation station.
Consideration of Available Signals Much consideration was given to signals
available in the vicinity of the antennas and multicouplers. All that is available is signals
relating to the tracking accuracy or control of automatic tracking antennas. Since these
signals are produced for any RF carrier in a complete Telemetry RF band they were
considered too remote to impart much information.

The meters commonly available on most telemetry receivers are worthy of serious
considerations. Particularly since signal strength is often recorded with data and referred
to by data users. The signal strength simply represents the level of automatic gain control
in the RF stages of the receiver. As far as a definite and unique indication of quality is
concerned, it indicates only that there is RF energy being received in the band to which
the receiver is tuned. Whether or not it is the proper carrier or contains the desired data
cannot be implied by this.
The output video signal level of FM telemetry receivers usually increase with the
absence of an input carrier, since without carrier the quieting of the receiver is not
operating. The other meters relate to proper tuning of the receiver.
When combiners are used in FM/FM telemetry reception, they have proven their ability
to suppress signals distorted by multipath. They also nullify the significance of
individual receiver signal strength outputs since they choose to pass the signal from the
receivers with the least noise in the video frequency spectrum above the data. A fail safe
circuit detects when total input signal (signal plus noise) drops to a negligible level and
inhibits that input from predominating in the output.
Discriminators are used to decommutate and demodulate each channel of a frequency
division multiplex signal. Each unit contains a bandpass filter, modulation detector and
output low pass filters. Unlike time division multiplex type signals which contain
intentionally inserted “fixed” information in the form of sync pulses, there is nothing
fixed in the FM/FM composite except some frequency spectrum limits. Thus, data
quality analysis must fall back upon evaluation of the energy distribution in the
spectrum.
Input level indications within each subcarrier channel are available in each discriminator.
These meter the total energy level after channel separation filtering and thus represent
total signal plus noise in the individual channel space. Generally, if the signal level is
above some threshold level, there is enough signal for good limiting and relatively good
data.
Signal-to-Noise Evaluation In general in an FM/FM system, when signal level drops,
the energy level of noise within the channel space increases. Thus, the metering of
energy level within a subchannel space will not indicate a very sharp division between
signal and noise.
The combiners use noise in the spectrum above the highest frequency data channel and
assume it to represent the total relative signal-to-noise ratio in a single RF channel.
These combiners work well and this proves that the assumption is good. However, they
need only a relative comparison of noise to control the degree of combining.

At this time, no information has been found which indicates that noise spectrum level
has been correlated directly with RMS error level in a data channel. Certainly some
degree of correlation exists. Actually, considering pre-emphasis and other reasons for
different energy levels in different channels, the total noise level in a sample spectrum
alone would need to be compared against the energy level in individual channels to give
a very good direct indication of RMS errors in a given channel. This will require a
separate comparison for each data channel; however, it is the only technique which has
been found which might be a direct indication of usability of individual FM/FM data
channels.
The next best indicator would be the total signal-to-noise indicator. Here, a 45 or 100 Kc
high-pass filter and metering circuit could indicate the noise in the spectrum space above
the data spectrum. Actually, a ratio indication of the energy in the data space to the
energy in the noise sample spectrum would provide a little more sharply defined general
quality indication, but it must be remembered that, in general, this would not allow
definition of a single channel dropout or spillover condition.
PAM and PDM Decommutation When considering quality of the data being received
through any time multiplex technique, the most important question is: Is the system in
time synchronization? If not in sync, the channels of information do not arrive at the
proper output terminals, but are displaced. Thus out of sync indications provide rather
obvious indication of unusable data. Unfortunately, at Telemetry Building #2 at AFETR
older Parson & Arnoux decommutators are still used almost exclusively, and neither
system has good and reliable means of automatic synchronization or display which is
typical of the PCM decommutation stations. In this instance other means such as
monitoring the reference channels must be relied upon to attempt to define when the
systems are out of sync.
The zero and full-scale reference levels offer another means of determining average
RMS error in data samples. They are inserted in the test vehicle as fixed voltages and
used normally to correct the zero offset and gain of the decommutation equipment.
They are expected to “drift” to some extent due to gain drifts in system components.
However, this rate of drift will generally be at very low frequencies compared to the
frequency component developed in the pulse train due to noise. If one or both of the zero
and full-scale reference channels are processed through the decommutator in the same
manner as other normal data channels, then a very low frequency AC voltmeter
connected to these outputs could indicate when noise produces variations in these
reference levels at frequencies higher than the expected drift. Its reading can be
calibrated in percent of full-scale variation. When noise perturbs the serial pulse train it
is as likely to distort the reference channels as the data channels. This then gives a fairly
reliable direct indication of expected percent error on other data channels.

Actually this same technique can be used to monitor any channel of any type telemetry
multiplex system which is expected to be carrying essentially static data. Frequently
telemetry links carry one or more signals which are on-off functions, expected to change
only once or a few times in a test. If these are monitored and the sudden large reading
ignored when the function actually does change, the rest of the time the resulting percent
(%) error reading will be valid.
PCM Telemetry Systems As a result of the extreme reliability and rapid operation of
pattern synchronization equipment in modern PCM systems an out-of-sync condition is
indicated whenever it is virtually certain that data is useless. When actually out-of-sync,
data channels are displaced in time sending wrong data into output channels. Thus, an
out-of-sync indication is a positive indication of poor data condition.
On the other hand, an in-sync indication is not necessarily an indication of good data.
The parameter chosen in the design of the pattern sync systems were specifically chosen
to insure a high degree of reliability of maintaining pattern sync even when the bit error
rate is in the range of 1 in 10 bits.
At this error rate, an average of only 37.87% of 10-bit words would be error free. This
has been shown to represent an average RMS error of 20% in any data channel (Refer to
Reference 1).
The conclusions on usefulness of out-of-sync indicators is that an out-of-sync indication
uniquely defines unusable data but that an in-sync indication only defines a very
minimum level of usability.
Bit Error Rate All PCM transmissions have built-in reference signals in the form of
the pattern synchronization information. All bits or pulses are of the same amplitude and
duration and so in general, noise will have a relatively random (equally probable) effect
on each bit. Thus, as long as the system is in bit synchronization (a local clock rate has
been regenerated), the probability of correctly identifying each bit properly is equal from
bit to bit. This says that the errors detected in the sync pattern are representative of the
error detected in the data bits. Most important, there already exists analysis of the
correlation between bit error rate and percentage RMS error in data words (as reported in
Reference 1). Therefore, if the average error rate is detected by sampling the individual
bit errors in the sync pattern, we have a direct average indication of data quality. The one
major reason why this philosophy is so strong and similar techniques used on PAM and
PDM are weaker is that the PCM sync patterns are so well fixed in the transmission,
where the zero and full-scale voltages and sync pulse in PAM and PDM are not so
accurately tied down in the transmitted signal.

Next, consider the techniques which might be used to extract and display the average bit
error rate. It must first be assumed that the PCM system is in synchronization. Counters
within the PCM decomm do predict each time a sync pattern whether word, frame or
subframe, should re-appear. The next job is to sample each individual bit in the sync
patterns to see if they are the proper polarity. If a bit is of proper polarity a sync trigger is
generated; if not, an error trigger is generated. The number of error triggers divided by
the number of total sync and error triggers is the bit error rate as an average over the time
of accumulation of the counts.
A problem arises in the attempt to display very low average error rates. Typical PCM
transmission might run at bit rates from 10 Kc to a megacycle. Sync bit might consist of
from near 1%. to over 10% of the total number of transmitted bits. At one extreme of a
megacycle bit rate and 10% devoted to sync, total sync bit sample rate might reach
100,000 per second. At another extreme, a 10 Kc bit rate and 1% devoted to sync, sync
bit sample rate would be 100 per second. In either case, when bit error rate is high, say
greater than one in a hundred, an averaging device will receive an input at the average
rate of one per second or better. However, at another extreme, if average bit error rate is
1 in 106, error triggers will occur on the average of one every 10 to 10,000 seconds.
Thus, since 10,000 seconds represents something close to three hours and no missile test,
or single station at least, will have data for near this length of time, information will not
be available to indicate an average in the range of 1 in 106. About all that can be done
then, is to display the number of sync triggers between error triggers. This can be done
with a simple interval counter which accumulates the sync triggers and is reset by any
error triggers.
A six-decade counter with one extra register can be translated to feed an indicator
register to indicate error rates of
more than 1 in 10
between 1 in 10 and 1 in 102
between 1 in 102 and 1 in 103
between 1 in 103 and 1 in 104
between 1 in 104 and 1 in 105
between 1 in 105 and 1 in 106
less than 1 in 106
If the indicator lights are fed direct from the counter at all times, the accumulating
magnitude of sync triggers between error trigger can be continuously displayed. If purely
visual monitoring were the only concern, this might be all right. However, if an alarm is
to be automatically set off by readings of error rates greater than 1 in 10X, then the alarm
would be triggered each time a single error dropped the count to zero. Thus, it might be
better to transfer and hold each display until a new error resets the counter. If each error
trigger transfers and stores the last accumulated count, and this is displayed until the next

error resets and stores, another problem arises. Suppose two errors occur with less than
10 sync triggers between. The display will be transferred to show more than 1 in 10
errors. Now, if another error does not occur for minutes, the displayed error rate will be
very high when the present data condition is actually very good.
It looks like the best idea might be to store a reading until the counter is reset again by an
error trigger OR until the next accumulated count exceeds the present display, and then
switch the display to follow the count as it accumulates.
A little insight into the value of the suggested error rate indication is represented in
Table I. This table lists the probability of one or more bit errors occurring in each
received data word for word lengths of 6, 8 and 10 bits length and at average bit error
rates of 0.5, 0.1, etc. through 0.000001. Thus, if 10-bit words are being received and the
error rate is one in 100 (.01) 9.56% of the samples contain errors. At an error rate of 1 in
1000, only one sample in a hundred contains an error, etc.
Parity Error Indications Some PCM data transmission systems may provide a parity
check bit on each word or sample. When this is included, it involves one additional bit
per word which is of such polarity to make the total number of “1” bits per word odd (or
even). Actually, a single parity bit is but one step in the direction of error detecting or
correcting codes which contain greater than one bit per word redundancy and can not
only detect errors but correct for some errors. A single parity bit can only indicate when
one (or any odd number of) errors are made in a data word.
When parity is transmitted with each data sample, PCM equipments can check the parity
and provide indication of error. This indication can be gated out with channel
identification pulses and sent direct with an individual information channel to a user. If
this is done, the user might display parity error pulses for each channel and each sample
within a channel.
Next, what is the value of a parity check? If the system is not in sync, or if it is in sync
and appreciable noise contributes many errors, parity will still check correct on an
average of half the words. But if in sync and the noise error rate is relatively small, the
parity check is quite meaningful. For example, Table II lists the probability of 0 through
10 errors in the detection and regeneration of a nine-bit word plus a parity bit, for
average input error rates of 50%, 10%, and 1%. The corresponding probabilities of
properly detecting a word without any error are .00098, .34867, and .90438. However,
any even number of errors will still produce an apparent valid parity indication. Thus,
summing the probabilities for all even number of errors produces the probability of a
valid parity indication. For bit error rates of 0.5, 0.1 and 0.01 respectively, the
probability of a valid parity indication is 0.5, 0.55368 and 0.90853. The column marked
Parity Check Error is the sum of the probabilities of even errors other than zero, and

represents the total probability of an apparent valid parity indication which is really
false. Finally, the percent of parity checks which are incorrect is found by dividing the
false parity indications by the parity checks. Thus, if the system where actually in sync
and the error rate were 50% (negligible probability of this), 50% of the parity checks
would indicate valid words but 49.902% of these checks would be wrong. At 10% bit
error rate, 55.37% of the samples would indicate valid parity, and 20.50% would be
erroneous. This says 37.02% of the parity checks would actually be in error.
Now consider a 1% bit error rate. Here, only 0.4% of the samples which received a valid
parity check would actually contain errors. Thus where 90.4380% of the data points are
actually good, 9.56% are bad. Of the 9.56% bad samples, only
or 4.2% are
not identified as bad points by the parity error indicator.
Thus, at bit error rates in the range of 0.01 or less the parity check of each individual
channel becomes a reliable indicator of individual sample errors, but this indication
becomes unreliable at higher error rates.
Classification of Data Quality Indicators Some of the signals and “quality
indicators” discussed up to this point will be referred to as Threshold Indicators.
Threshold Indicators will provide a unique No or Yes indication that data is usable or
unusable. For example, in time multiplex systems, a No sync indication represents a
virtual certainty that data is worthless. Yet, on the other hand, an in-sync indication is
not necessarily an indication of usable data.
To a large extent most of the parameters can be monitored with a threshold device whose
output will be a unique indication of No usable data. This might apply to receiver signal
strength if a single RF link is used (not sent through a combiner), too much noise in
noise spectrum out of a combiner, no signal strength into a discriminator, etc.
Assuming no malfunction beyond the point of assessment, similar threshold adjustable
indications might be made to obtain a Unique-Yes (data is good) indication. These will,
in general, be less prevalent than Unique-No indications. If the ratio of signal in a
subcarrier channel tc noise in a noise sample in an FM/FM composite is very high, it
might be interpreted that output data will be good.
There is one parameter which can define Unique Yes or No. This is individual sample
parity error check. Here, if the error rate is below 1 in 100 the parity check is a virtual
certain Unique Yes-No quality indicator.
Reference Derived Quality Indications Quality indications in this class are those
which can to a great degree be continuously and uniquely calibrated in terms of data
quality level. This is possible because the data contains reference signals. Quality

indicators in this class are Bit Error Rate in PCM and channel error rate in PAM and
PDM derived from 0 and full-scale reference signals.
If a reference signal were transmitted in one FM/FM subcarrier channel it would be
possible to use techniques similar to those suggested for channel error rate detection
from the 0 and full-scale signals to obtain reference derived quality indications from an
FM/FM composite.
Gross Quality Indicators Most of the quality indicators not associated directly with
the final decommutator fall into this class. In general, the information on quality they
might impart is not necessarily unique, or if a direct correlation exists at all, it is a loose
relationship and quite nonlinear.
About the best quality indicator in this class might be the signal-to-noise ratio of an
individual FM/FM subcarrier channel as derived by the ratio of the channel input energy
to the energy in a noise sample spectrum. Above some level, this S/N ratio will produce
good data. Below some level, the data will be completely useless. In some probably very
small range in the middle, a loose calibration of probable RMS channel errors Vs. S/N
ratio might be possible.
Other gross quality indicators include receiver signal strength, video signal level and
overall video S/N ratio.
General Usefulness of Various Classes of Indicators The Unique No-Yes types
provide one discrete division between possibly usable levels of information. Out of sync
for example says the ground equipment can not tell one time multiplex channel from
another and thus is not/sending channels to the proper outputs. This indication is so final
that it does not even need to be compared to any other indicator to reach this conclusion.
Some other threshold indicators provide definite knowledge that a signal is good if
certain other things are also good. An example of this is 7ndividual channel parity
checks. If the system is in sync and if the bit error rate is less than 1 in a 100 the parity
check will be valid 99.6% of the time and when correct will uniquely indicate that a
sample is correct or not.
Reference Derived Quality Indicators provide the most accurate information about
general data quality. They are possible because the transmission contains certain
predictable reference signals. Average variation of these signals when received to a great
degree are a direct indication of average errors in other data channels. Also these
indicators provide a continuous nondiscrete, nonthreshold scale of indication from very
poor to very good conditions. Since they are derived from decomm channel outputs they
are evaluated in the system about as close to final form as is reasonable.

The Reference Derived Quality Indicators are so unique in defining quality that they can
actually stand alone in most cases as quality indicators. In a very short time (effectively
instantaneously in comparison with human response) bit error rate display will fall back
to more than 1 error in 10 (actually 50% errors) when signal strength or synchronization
is lost. Thus it is quite obvious that when these type indicators are available, an
unattended and completely automatic data quality analysis and indication system is
practical. No human input is needed to help interpret the results.
Unfortunately, a Reference Derived Quality Indicator has not been found in typical
frequency division multiplex systems, although it would be simple to provide one in the
standard IRIG configuration in the form of a reference subcarrier channel between 14.5
and 22 kilocycle subcarriers. This space was reserved for speed compensation tone to be
placed with the composite signal on magnetic tape recorders.
If a prespecified reference modulated subcarrier was inserted in the test vehicle it could
be used to monitor the quality of reception of at least that individual channel and would
be the most representative indication of overall FM/FM reception quality. This, however,
is academic since IRIG standards would need to be changed and all test vehicles required
to carry the additional subcarrier oscillator and reference generator.
Finally, what is the usefulness of the Gross Quality Indicators? Actually, they do not
contribute very specific and well defined information, although the degree of information
imparted varies from one to another. For example, individual receiver signal strength is
meaningless when the output of more than one receiver is put into a combiner.
The best of the indicators defined as Gross Quality Indicators are the signal-to-noise
indicators in an FM/FM composite. Actually these do not define particularly unique
information and would not receive much attention if signals analogous to
synchronization status and channel error rate in Time Division Systems were available.
However, since other references are not available, SIN ratios must be relied upon for
what information they do provide. They are at least a little better than other available
Gross Quality Indicators elsewhere in the FM/FM collection system.
Conclusions The one prime object of this study was to see if a meaningful automatic
data quality analysis could be made of data transmitted using any of the common
telemetry multiplexing techniques. Of course the answer is a function of interpretation of
the word meaningful. Actually it has been found that, in general, all time multiplex
telemetry signals can be evaluated to reliably define existence of synchronization. In
addition the sync information and/or other reference parameters can in general be
analyzed to provide extremely good short term average data quality information. This
quality information is directly representative of the average errors occurring in data
channels.

The conclusions relating to frequency multiplex systems are not nearly so good. Standard
FM/FM signals do not contain any sort of reference signals which can be analyzed to
uniquely and accurately determine probable channel errors. Thus about all that can be
done is to use signal-to-noise ratio of the video composite to estimate approximate
quality. The word estimate is used because it will be quite difficult to obtain a firm
correlation between signal-to-noise and data quality.
Another interesting conclusion is drawn from this study. Although many varied signals
are available from the various equipments in a data collection facility from antennas to
decommutation equipment, few of these signals contain, or can be operated on in a
reasonable manner to supply usable quality information. In any system of telemetry,
there are a few indications available from signals very nearly in their final decommutated
form which can in themselves be analyzed to provide about all the quality information
available from the system. Other signals elsewhere in the system provide much less
directly usable information, and changes in these other signals will be rapidly and
uniquely reflected in the one or a few major quality indicators.
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A WIDE-BAND MULTICHANNEL TRANSMISSION SYSTEM FOR
USE WITH 5 MHz COAXIAL LAND LINES
WILLIAM P. McGARRY
Data-Control Systems, Inc.
Danbury, Connecticut

Summary An increasing number of telemetry systems have considerable distance
between receiving sites and main ground stations, resulting in a need for multichannel
wide-band communications systems. An operational system is described which permits
the wide-band DC to 120 kHz video or predetection IF 450 kHz ±150 kHz signals from
six receivers to be transmitted over one land line to the remote ground station.
Introduction There is a growing need to telemeter multichannel wideband analog and
digital data across 5 MHz land lines. The data may come from many sources but the
prime concern of this paper is the signals from receivers either in the form of a DC to
120 kHz video or a predetection FM carrier down-converted to a 450 kHz IF. If the
receiver signals are to be transmitted over lines in the form of a frequency shared
multiplex, experience has shown that operational adjustments must be kept to an
absolute minimum.
The land line multiplex system must function over a wide range of input levels and
formats; in addition, the performance of any one channel must not depend on the
presence or absence of any other channel. That is, each channel of the multiplex must be
considered a separate, independent land line link.
A multiplex of FM channels meets these demands since the input of each channel can be
either a 450 kHz VCO or a 450 kHz FM predetected signal. In either case, it can be hard
limited and filtered in order to maintain a constant channel level independent of the level
from the receiver. By keeping the VCO’s and discriminators at 450 kHz, the same
frequency as the receiver IF’s, the video or predetection signals can be processed in an
identical manner. For instance, the channel output at the far end of the line is identical
for both video or predetection signals, namely a 450 kHz ±150 kHz FM carrier at a level
of 6 volts peak-to-peak into a terminated 75 ohm cable. At this point. the signal can be
demodulated by a 450 kHz discriminator or recorded as a 450 kHz predetection signal
and later played back through the demodulator.

Wide-band multiplex data transmission systems make it possible to use television grade
cables and microwave links for efficient transmission of multichannel wide-band (DC to
120 kHz) analog signals or 400 kilobit digital data. Multiplexing equipment with six
channels on a single 5 MHz bandwidth link has been implemented with distortion levels
below 2.5% and worst case crosstalk levels at least 40 db below full scale output.
A prominent feature of the system is its compatibility with the commonly used 450 kHz
predetection down conversion center frequency; that is, data may enter the system either
as a baseband signal which is converted to a 450 kHz FM carrier, or a 450 kHz
predetection carrier may be fed directly into the system, bypassing the FM modulator.
A second system of eight channels on the 5 MHz line can also be implemented. That
system is intended primarily for digital data transmission with eight parallel bits, each
aligned in time, transmitted at a rate of 250 K words per second.
The operation of the six-channel multiplexing system may best be described using the
block diagram of Figure I which shows the modulation translation, and filtering used to
format the data for transmission. Each baseband signal is applied the modulation input of
an FM oscillator with center frequency of 450 kHz and full scale deviation of ±150 kHz.
Oscillator outputs are then filtered to remove harmonics and protect adjacent channels
against over modulation and the carriers are heterodyned to their assigned center
frequencies. After additional filtering to attenuate undesired spectral components in the
converter outputs, the carriers are summed to form a multiplex for transmission. The line
driving amplifier output is single ended at an impedance level of 75 ohms with
composite level adjustable from 0 to 3 volts peak-to-peak into a terminated 75 ohm line.
At the receiving terminal, each carrier is separated from the multiplex by means of a
bandpass filter and heterodyned to 450 kHz for additional filtering and demodulation.
Output frequency response is limited to 120 kHz for analog signals requiring low
crosstalk and distortion but for high bit rate digital signals, the system passband can be
increased to allow 400 kilobit/second signaling. Output impedance is 75 ohms with a full
scale level of 6 volts peak-to-peak into a terminated line.
The technical difficulties of such systems arise in the areas of filtering and up-down
converting. The filtering is difficult because four steep-skirted filters are cascaded in
each channel yet maximum frequency response and phase linearity are required.
Referring to Figure 2, one sees the multiplex’s channel spacing and guard band structure.
In addition, it gives a view of the filter problem. In each channel there is a 450 kHz filter
which passes the limited 450 kHz input. This filter has the same characteristics as the
Channel #1 filter shown in Figure 2. From the 450 kHz filter, the signal goes through the
up translator and then through an output filter such as the #2 channel filter also shown in

Figure 2. This double filtering is again repeated in the down translator. Normal linear
phase filters such as a Gaussian filter would not suffice because of inadequate selectivity
and progressive bandwidth shrinkage. This system’s filters are phase equalized lattices in
which the phase equalization and the amplitude attenuation requirements have been
integrated into a single design. The envelope delay variation must be held to very tight
tolerances in order to achieve a worst case dynamic distortion less than 1. 5% for any
single filter and less than 2.5% for four filters cascaded.
The second difficult area is in the up and down frequency translation which must be
accomplished without generating in-band intermodulation products. This difficulty has
been minimized by using a switching type modulator with fast diodes switched by a
high rise time square wave of current. This technique reduces the switching transient
time to a value that permits the baseband to be translated up beyond 6 MHz with
intermodulation products less than 0.5% of the desired signal.
Both the filtering and the frequency translation is performed in a unit that is a two and
one-half inch wide module with a plug-in tuning unit. The module contains the
modulator plus limiters and amplifiers while the tuning unit contains the crystal local
oscillator and two filters such as shown in Figure 2. The same translator module is used
in both the transmit or the receiver terminal system interchangeably.
Electrical Characteristics of the Baseband Mode (Data into the VCO’s).
A.
B.
C.
D.
E.
F.
G.
H.
I.
J.

K.

Input signal: Single ended input with ±2. 5 volt span considered standard with
differential input and lower level input spans also available.
Input impedance: Greater than 100 K ohm shunted by less than 150 pf or line
matching levels.
Carrier Frequencies and Deviations: 450 kHz, 1326 kHz, 2202 kHz, 3078 kHz,
3959 kHz, 4830 kHz, all full scale deviations ±150 kHz.
Multiplex level: Adjustable from near zero to at least 4 volts peak-to-peak open
circuit.
Multiplex impedance: 75 ohms nominal, single ended.
Receiving system input impedance: 75 ohms nominal.
Receiving system dynamic range: Satisfactory operation on clean signals from less
than 0.5 volts peak-to-peak to more than 3.0 volts peak-to-peak.
Baseband 3 db frequency response: DC - 120 kHz within ±2 db for analog
applications and bit rates to 250 KBPS.
Distortion: Total harmonic distortion less than 2.5% for any baseband frequency.
Crosstalk and noise: For channels operating normally, rms crosstalk and noise is at
least 40 db below peak-to-peak output. Under conditions of overmodulation, rms
crosstalk and noise is at least 26 db below peak-to-peak output.
Transient response: Transient overshoot is less than 5%.

L.

M.
N.

Interchannel delay uniformity: Channels 2 through 6 have a nominal delay of 20
Fsec. and are uniform within ±0.5 Fsec. Channel 1 has a nominal delay of 10 Fsec.
but can be equalized to match channels 2 through 6.
Output level: Adjustable to 6 volts peak-to-peak into a terminated line.
Output impedance: 75 ohms single ended. Short or open circuit loads will not
cause instability or damage.

Electrical Characteristics of the Six-Channel System in Predetection Mode
A.
B.
C.
D.
E.
F.
G.
H.

I.
J.

K.
L.

M.
N.

Input signal: 450 kHz ±150 kHz carrier, level ranging from 0.5 volt peak-to-peak
to 10 volts peak-to-peak for normal operation, single ended.
Input impedance: 75 ohms nominal.
Carrier Frequencies and Deviations: 450 kHz, 1326 kHz, 2202 kHz, 3078 kHz,
3959 kHz. 4830 kHz, all full scale deviations ±150 kHz.
Multiplex level: Adjustable from near zero to at least 4 volts peak-to-peak open
circuit.
Multiplex impedance: 75 ohms nominal, single ended.
Receiving system input impedance: 75 ohms nominal.
Receiving system dynamic range: Satisfactory operation on clean signals from less
than 0.5 volt peak-to-peak to more than 3.0 volts peak-to-peak.
Baseband 3 db frequency response: DC - 120 kHz within ±2 db for analog
applications and bit rates to 200 KBPS. Wider band lowpass filters to
accommodate 400 KBPS can be provided.
Distortion: Total harmonic distortion less than 2.5% for any baseband frequency.
Crosstalk and Noise: For channels operating normally, rms crosstalk and noise is
at least 40 db below peak-topeak output. Under conditions of overmodulation, rms
crosstalk and noise is at least 26 db below peak-to-peak output.
Transient response: Transient overshoot is less than 5%.
Interchannel delay uniformity: Channels 2 through 6 have a nominal delay of
20Fsec. and are uniform within ±0.5Fsec. Channel 1 has a nominal delay of
10Fsec. but can be equalized.
Output level: Adjustable to 6 volts peak-to-peak into a terminated 75 ohm line.
Output impedance: 75 ohms single ended. Short or open circuit loads will not
cause instability or damage.

Eight-Channel Digital System
The 5 MHz bandwidth of the line can be arranged to provide eight channels. The first at
500kHz and each thereafter separated by 600 kHz. This gives a sequence of center
frequencies of 500, 1100, 1700, 2300, 2900, 3500, 4100, 4700 kHz. At a bit rate of 250
KBPS, the crosstalk between adjacent channels would be at least 26 db down, which is
more than adequate for digital transmission. The digital system block diagram is not as

formal as the analog one because the digital information may be put on the line not only
as FM but as pulse shift keyed modulation, etc., depending on the requirements of the
digital interface equipment in a particular situation.
Physical Characteristics
Figure 3 presents a front panel outline drawing for the end terminal or receiver system. It
is seen that the six channels each have a down converter and an FM demodulator, all
contained in a front panel space 7" high by 19" wide. Each demodulator has a front panel
zero and sensitivity control. The converters require neither front panel nor internal
adjustments. Also included in this space are the power supplies and air circulation
blowers. The total system weighs less than 75 pounds and requires less than 300 watts of
60 Hz line power. Since the sending end of the system is similar in size, weight and
power requirements, it is not shown. The controls on the sending end consist of a zero
and deviation sensitivity control on each VCO. no controls on the converter and a level
control on the output amplifier. The eight-channel digital system also requires a space 7"
high by 19" wide. In addition, since the outputs might require pulse shaping, an
additional space would be needed depending on what signal format the digital interface
demands.
Acknowledgment Mr. Keith M. Wooded must be given credit for the operational
specifications and the idea of requiring all demodulators and VCO’s to run at the same
frequency, namely the predetected IF of 450 kHz. These ideas provide a versatility and
ease of maintenance and spares that contribute markedly to the ultimate usefulness of the
system.
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TELCOM - TIME VARIABLE TELECOMMUNICATIONS
PERFORMANCE PREDICTION PROGRAM1
B. L. McQUAID and M. FASHANO
Hughes Aircraft Company
El Segundo, California

Summary The TELCOM program has been developed to aid in the design and
analysis of spacecraft telemetry and communication systems. Given a spacecraft
trajectory, it is often desired to predict the total received power of the transmission link.
Since the gains and losses of the individual link components are dependent on the
spacecraft trajectory, as well as the spatial orientation of the spacecraft, the received
signal power varies as a function of time along the flight path. TELCOM organizes the
time variable information and calculates the received signal power in the subcarrier
and/or carrier predetection bandwidths at specified time intervals. The spacecraft
trajectory information and. antenna gain contours are stored on magnetic tape. The time
in-variant quantities are provided. by the user so that he may easily make parametric
studies to determine the effect of link constants on system performance. TELCOM
output options include printed. values of received signal power at specified. time
intervals, plots of signal power, range, look angle versus time, and DB margin
summaries at specified. points along the trajectory.
Introduction Most communication systems can be characterized as consisting of a
transmitter, a receiver, and a transmission media. In space telecommunications, the
transmitter and, receiver could be either a spacecraft or a ground. station on earth, and
the transmission method is generally by radio waves through space. As a spacecraft
travels along its trajectory, its position and orientation with respect to the earth-based
ground. station continuously varies with time. This variation affects the total power in
the received. signal at both the spacecraft and the ground station. Since the received
signal power is of prime importance to the planning of a space probe and in the design
and analysis of the communication system, it would be advisable to have some
knowledge of how the received signal strength will vary with time.
The subject of this paper therefore is a description of a computer program which has
been developed to predict the performance of a telecommunications system influenced
by time variable parameters. First, the general communication system which the program
1
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analyzes is described. Second, the method of solution incorporated by the program is
discussed. Third, the options available to the user for parametric investigation of the
sensitivity of the system are discussed.
Discussion The TELCOM computer program, originally developed for use on the IBM
7094 computer, provides a means of predicting the performance of a spacecraft
telecommunication system. The following paragraphs describe the basic features of
TELCOM and, hopefully, provide the reader with an insight into its capabilities.
Although there are many different types of transmission modes employed. in spacecraft
communication systems, they all can be generally represented in the block diagram given
in Figure 1. As shown in this figure, the system can be broken down into three basic
blocks: transmitter, transmission link, and. receiver. Each of these blocks is composed of
a number of parameters which influences the performance of the communication system.
The performance criteria of interest here is the signal power available in the received
carrier predetection bandwidth.
In dealing with signal power, the parameters of the communication system under
investigation can be represented as gains and/or losses which contribute to the overall
received signal strength. As a spacecraft travels along its flight path, some of these
parameters change, thereby causing the received signal power to be a time variable
quantity along the trajectory.
The system parameters associated. with each block in Figure 1 are listed in Table 1. Most
of these parameters are constant in spacecraft communication systems. However,
changes in spacecraft orientation will alter the antenna gain, and travel along a trajectory
will vary the communication path length (range). If these parameters and their variations
with time plus the constant quantities are known for a given system, the received. carrier
power fluctuations as a function of time through a particular mission can be predicted.
TABLE 1. COMMUNICATION SYSTEM PARAMETERS
Transmitter and Antenna

Communication Link

Receiver and Antenna

RF power
Circuit loss
Transmitting frequency
Antenna gain
Antenna ellipticity
Pointing loss

Absorption loss
Range

Receiver gain
Circuit loss
Antenna gain
Antenna ellipticity
Noise temperature
Noise bandwidth

Computation of the received signal power in a space communication system involves
solving the following general free space range equation:

where
PR =Received signal power, dbm
PT =Transmitter I power, dbm
GT =Transmitting antenna gain, db
GR =Receiver gain, db
SL =Space loss, db

c =Speed of light, m/ sec
fc =Carrier frequency, Hz
R = Range, meters
L = Sum of system power losses, db
Because of the time variable nature of some of the system parameters, the range equation
would have to be solved many times to determine the time histogram of the received
signal strength. The TELCOM computer program was developed to eliminate this
repetitive and tedious computation.
The diagram shown in Figure 2 illustrates the basic functional organization of the
TELCOM program. The information about the link parameters is prestored on magnetic
tape. The first tape (initialization tape) contains the telecommunication system
parameters which are time invariant. The second tape (trajectory tape) contains the time
variable data which describes the flight path of the spacecraft. The third tape (antenna
pattern tape) contains the spacecraft antenna gain data. The punched card input (master
control table) supplies the program with the necessary information to analyze the
selected transmission link and return the desired output to the user.
The purpose of the initialization tape is to allow the user to “build” a communication link
by selecting system parameters from a group of values which has been previously stored
on this tape. These parameters are constants (not functions of time) and contribute fixed
gains and/or losses to the received signal strength.
The trajectory tape contains the variation of the spacecraft’s position and attitude with
respect to the earth as a function of time. The data on this tape are organized such that
each physical record contains the time from the start of the flight and the value of all the
trajectory parameters at that time. The parameters of interest are the distance (slant

range) from the spacecraft to the various ground stations and the orientation (look angle)
of the spacecraft with respect to the various ground stations. The look angle refers to the
direction in spacecraft coordinates from the spacecraft to a particular ground station. The
vector along this direction is described in spherical coordinates by the cone and clock
angles as shown in Figure 3. The look angle, as a function of time, is necessary since the
spacecraft antenna gain is, in general, a function of the direction in which the antenna is
pointing. The cone and clock angles at some time along the trajectory are used to
determine the spacecraft antenna gain at that instant.
Since the gain of an antenna is generally a function of the direction in which it is
transmitting or receiving a signal, the antenna gain is a time variable function of the
trajectory. The antenna gain contour tape (DAP tape) contains a description of the
variation of spacecraft antenna gain over a sphere surrounding the spacecraft. This DAP
tape is produced experimentally on a test range. The tape contains the nominal gain, the
tolerance, and the ellipticity of the antenna at points spaced every 2 degrees in clock
angle and every 1 degree in cone angle over 4B steridians. The cone and clock angles, as
a function of time, are obtained from the trajectory tape. Then, for each solution of the
range equation, the DAP tape is searched, and the antenna gain for the clock and cone
angles at that instant is used.
All system parameters are assembled internally in the computer as directed by the master
control table. This table consists of punched cards which are input with the program to
control the combination of the data on the initialization, trajectory, and DAP tape such
that the desired link configuration is formed. Once all the parameters are known, along
with the time variable information, the range equation is solved at time intervals
specified by the master control table.
This table also determines the output and analysis options which the user wishes to
employ. The most frequently used option available to the user is a plot of the value of the
time variable parameters as a function of time along the trajectory. These parameters
include range, cone and clock angles, antenna gain, and. received, carrier power. Figures
4 through 7 are examples of this option. The blank spaces along the curves denote those
times during which the station cannot seethe spacecraft. In addition to the plotted output,
the user may request a printed output of the time variable parameters as well as a
description of the transmission link which is being investigated. The user may also
request that a power budget calculation be made at any time along the flight path. The
power budget or DB allocation is obtained by incorporating the TLAP program
(Reference 1) into TELCOM. An example of this output is shown in Figure 8.
Conclusions The TELCOM computer program provides the user a means to analyze a
communication system in which some of the link parameters are time variable. The time

invariant quantities are represented as either power gains or losses. The free space range
equation then computes the received signal strength as a function of time. This method
provides the user with the capability of determining the system’s ability to meet specified
performance criteria at various critical time periods. The output from the program
includes plots of the time variable parameters which can also serve as predictions of link
performance once the system has been finalized. By using a computer simulation, the
user can perform parametric studies on the link constants to determine their effect on
system performance and eliminate a large amount of tedious hand calculations.
Reference
1) R. J. Rechter and M. Fashano, “Computer Generation of DB Margin Summaries for
Telecommunications Links,” Supplement to IEEE Transactions on Aerospace and
Electronic Systems, Vol. AES-2, No. 6, November 1966.
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Summary As PCM increases In -use as a method of transmitting data, it is of greater
importance to know exactly the probability with which each bit may be received
accurately. While most engineers in the field are aware of the basic probability curve for
PCM signals, very few are aware of what to expect under the many varied conditions of
noise bandwidth, data bandwidth, code type, method of data regeneration and DC offset.
These effects are clearly handled in this discussion. The effect of phase jitter, always
present in any data regenerating device, is ignored in this presentation, and will
ultimately add another element of degradation, particularly at the higher noise levels.
Definition of PCM Codes The codes considered at this time are only those codes
listed in IRIG 106-66 under PCM Codes. They are shown on Figure 1 and the definitions
follow.
1.

2.

3.

NRZ-L (NRZ-Level or NRZ-Change)
“One” is represented by one level
“Zero”’ is represented by the other level
NRZ-M (NRZ-Mark)
“One” is represented by a change in level
“Zero” is represented by no change in level
NRZ-S,(NRZ-Space)
“One” is represented by no change in level

4.

5.

6.

7.

“Zero” is represented by a change in level
RZ
“One” is represented a half-bit wide pulse
“Zero” is represented by no pulse
Bi-Phase-Level (Split Phase or Manchester II)
“One” is represented by a 10
“Zero” is represented by a 01
Bi-Phase-Mark (Manchester I)
A transition occurs at the beginning of every bit period. “One” is represented by a
second transition 1/2 bit period later. “Zero” is represented by no second
transition. This code is NRZ-:S converted into Bi-Phase-Level.
Bi-Phase-Space
A transition occurs at the beginning of every bit period. “One” is represented by
no second transition. “Zero” is represented by a second transition 1/2 bit period
later. This code s NRZ-M converted into Bi-Phase-Level.

Definition of Terms The following are terms and expressions used in the text with
their definitions.
1.

2.
3.

4.
5.
6.

7.

8.

SNR - This is Signal to Noise Ratio, always expressed as zero-to-peak (1/2 peakto-peak) signal divided by the RMS noise voltage. Note that on rectangular data
the RMS signal voltage is identical to the zero-to-peak signal amplitude but that
on data which is bandwidth limited, the zero-to-peak is larger in value. The signal
to noise ratio is a voltage ratio and is usually expressed in db.
r - This is Correction Ratio, usually expressed as a db correction on the error rate
curve due to the degree of noise filtering occurring in the data regenerator.
Noise Bandwidth - Usually expressed as a bandwidth from DC to some ratio of the
bit rate. For example, a noise bandwidth of twice the bit rate means noise is
present in a spectrum from DC to twice the bit rate.
BR - Abbreviation for bit rate.
BW - Abbreviation for bandwidth.
100% Integration - A method of data regeneration where an integrator is reset to a
reference voltage and permitted to accumulate the input signal (data + noise) for
one, full bit time. At the end of a bit time the integrator output is compared to the
reference voltage, and a decision of “one” or “zero” is determined by the
comparator.
50% Integration - A method of data regeneration where an integrator is reset to a
reference voltage and permitted to accumulate the input signal beginning at the
25% point and continuing to the 75% point of a bit period. A comparator
determines the decision of a “one” or a “zero”.
Sample - A method of data regeneration where a strobe pulse, usually in the center
of a bit period, samples the input signal and determines whether the instantaneous

9.

signal voltage is above or below a center reference voltage, thus determining
whether the bit is a “one” or a “zero”. This method is often preceded by a linear
phase, low pass filter.
PE - Probability of a bit error.

Basic Error Rate Curve Many authors, some of which are referenced at the end of the
text, have established the basic error rate curve for a serial, binary pulse train, assuming
Gaussian noise distribution. This is expressed as
Eq 1

where x = SNR
Much confusion has surrounded the use of this curve due to the fact that, as written
above, it is not corrected for the effects of a specific method of data regeneration, noise
bandwidth and data bandwidth. Thus, the proper SNR for a given situation must be
applied before the error rate can be determined. The next sections present corrections due
to code type, data regeneration method, and data bandwidth.
Correction Due to Code Type All of the IRIG codes follow the probability integral
given in Equation 1, assuming Gaussian noise. This curve is plotted on Figure 2 for a
wide range of SNR, and is called the Basic Error Rate Curve. Four of the codes however,
have a unique characteristic which causes the final error rate, after decoding, to be
different from the actual bit error rate. It can be easily observed that for every isolated bit
error in a “mark” or “space” code, there will be two wrong bits in the decoded signal.
Also, for every N errors in a row, there will only be two bit errors in the decoded output.
Thus, for low error rates, (below 10-1) the actual decoded bit errors is approximately
twice the bit error rate. The actual equation for “mark” and “space” codes (MS) is as
follows.
Eq 2
This curve is also plotted on Figure 2.
Correction Due to Noise Bandwidth and Data Regeneration Method When a 100%
integrator is used for data regeneration of an NRZ code, both noise and data are
integrated. Noise which has frequency components above 1/2 the bit rate tend to end up
with very little residue after a full bit of integration. Thus, the integrator appears to be a
near-perfect filter, removing all noise above 1/2 the bit rate. For calculation purposes,
then, it would seem that on NRZ codes one can simply reference the noise to only that

power from DC to 1/2 the bit rate. This is a good rule of thumb, commonly used, and
shown by the “Classical Curve” on Figure 3.
However, when the noise has been bandlimited to a point near the bit rate, it is subject to
considerable error. By calculating the exact effect that a reset integrator has on Gaussian
noise, a precise curve can be drawn.
The correction of RMS noise voltage for any noise bandwidth is given by
Eq 3
Where TB= 2BfB
fB= Noise Bandwidth
T = Bit Period
fBT = Ratio of Noise Bandwidth to Bit Rate
This curve is plotted on Figure 3, and is asymptotic to the classical curve. Notice,
however, that for a noise bandwidth of 1/2 the bit rate, the difference is 1.1 db. This
curve shows the amount of correction required (r) on the Basic Error Curve for any noise
bandwidth when using a 100% Integrator for data regeneration. The full derivation of
this curve is given in Appendix I.
For RZ codes or for 50% integration of NRZ, the same curve applies except the T is now
1/2 the bit period. Thus, the curve shown on Figure 3 is identical to the NRZ curve, but
breaks at a ratio of 1.
A common method of data regeneration for Bi-Phase codes is that of synchronous
rectification and then 100% integration, as In NRZ. Essentially, this amounts to
integrating a bit for the first 50% of the bit period, and then inverting the signal and
continuing with the integration. As can be visualized, this converts Bi-Phase signals into
NRZ signals. Appendix II gives the deviation of the correction curve for this of
integration on Gaussian noise. The result is as follows.

This curve is plotted on Figure 3 and has several interesting points. First, for wideband
noise, it is identical with the NRZ curve. However, the synchronous rectification tends to
cancel low frequency noise, and thus the rapid slope below a frequency of 1/2 the bit
rate. Note also that for all noise bandwidths, the amount of improvement in performance
exceeds the NRZ curve.
Since the significant data bandwidth of Bi-Phase is between 1/2 the bit rate and the bit
rate, it is possible to filter out most of the noise that lies between DC and 1/2 the bit rate.
Assuming that this is done on an ideal basis, and all noise is removed in the band below
1/2 the bit rate with no degradation to the signal, Appendix III shows the calculations of
the correction factor.

where TB= 2BfB
fB = Upper noise bandwidth edge
TA = 2BfA
fA = Lower noise bandwidth edge
This equation is plotted on Figure 3 for a lower noise bandwidth edge of 1/2 the bit rate.
While, in general, this curve appears to be worse than the Bi-Phase curve with the low
frequency noise, keep in mind that it must be corrected for the missing noise power. For
instance, if the original noise bandwidth at the input was DC to the bit rate, and prior to
synchronous rectification and integration the low frequency (DC to 1/2 BR) noise was
totally filtered out, then the noise at the input to the integrator would be down 3 db!
Thus, at a noise bandwidth of DC to the bit rate, prefiltering the low noise yields an
improvement of about one db over not filtering.
An interesting method of considering the curves on Figure 3 is that they represent the
locus of all Signal-to-Noise Ratios yielding a constant error rate! A vertical line drawn at

any desired bandwidth shows the relative performance of each code and regeneration
method (after allowing for the missing low frequency noise on the one curve).
The circles on Figure 3 show data taken on the Vector Bit Synchronizer and Signal
Conditioner, verifying the curves. The method used to obtain the data was to synchronize
the unit on an external clock to remove any phase jitter at the severe noise levels. The
bandwidth of applied noise was carefully controlled with six pole filters and the data was
then measured with a bit by bit comparator and accumulator.
Correction Due to Data Bandwidth As data is bandlimited, and rise and fall times
become increasingly slow, the output of a 100% integrator falls off causing increasing
error rates. If the filtering is severe enough, then the height of the pulse at midpoint may
be reduced, causing increasing error rates for the sample method of data regeneration.
Additionally, the pattern also affects the results, since an isolated “one” or “zero” will be
maximumly affected by filtering, while the center bit of several “one’s” in a row will be
totally unaffected (for NRZ).
Following is a chart showing the calculated results of passing random data through a six
pole linear phase filter for different 3 db cut-off frequencies. In random data, an isolated
“one” or “zero” occurs 25% of the time, and a “one” or “zero” bracketed by identical bits
occurs 25% of the time. A bit bracketed by a “one” and a “zero” occurs 50% of the time.
The following chart shows a tabulation for the two conditions where degradation
occurs’. Results are tabulated for the effect on center bit amplitude, 100% area, and
center 50% area. All values are relative to unfiltered results, and the db degradation
given. The 50% area calculations have been normalized to the full bit cell. Note that the
area under a rectangular bit cell is B.
EFFECT OF LOW PASS FILTER ON DATA SIGNAL for NRZ
6-POLE LINEAR PHASE

In order to calculate an error on bandlimited data, the appropriate db shift to each
percentage of applicable bit pattern must be applied, and the numbers summed. As an
example to calculate the actual error rate on a random NRZ signal, with noise and data
bandlimited to 1/2 the bit rate by a six pole, linear phase filter, and using 100%
integration as the method of data regeneration, proceed as follows. Select a desired,
relative, SNR, such as +10 db. Using the basic error rate curve of Figure 2, calculate the
required PE’s. From the previous chart it is found that 25% of the bits will be at a
relative SNR of -5 db (pattern 010), 50% at a relative SNR of -3 db (pattern 011) and
25% at a relative SNR of 0 db (pattern 111). Thus, the required relative PE at +10 db is
as follows:
PE+10 db = 0.25 PE+5 db + 0.50 PE+7 db + 0.25 PE+10 db.
Finding these points on Figure 2 yields the following:
PE+10 db = 0.25 x 3.6 x 10-2 + 0.5 x 1.2 x 10-2 + 0.25 x 6 x 10-4
PE+10 db = 1.5 x 10-2
This allows for the correction due to bandlimited data. Now the proper correction for
bandlimited noise and method of data regeneration must be applied. For this, observe
Figure 3, and note that 100% integration is used, with the noise bandlimited to 1/2 the bit
rate, on NRZ data. The NRZ curve shows an adjustment (r) of -1.1 db must be made.
Thus, the above calculated error rate applies to (+10 db -1.1 db) or +8.9 db actual SNR.
This point is plotted on Figure 4, on the curve labeled “Data BW = 0.5 BR, 100% Int.”
When using the sample method of data regeneration, there is no SNR adjustment
required. Simply the net noise power into the sampler (after filtering, if used) is used in
the SNR.

Performance Curves Figures 4 through 7 show the results of calculations performed
using the above method on NRZ codes. Each graph is for a specific noise bandwidth and
also shows a scale referenced to the amount of noise power contained in the bandwidth
of DC to 0.5 BR. This permits cross checking various degrees of filtering. Various
conclusions will be drawn from the curves at the conclusion of the text. All curves have
been verified with data taken on the Vector Model 972 PCM Bit Synchronizer and
Signal Conditioner, shown on Figure 11.
Figures 8 and 9 show two families of curves which apply to Bi-Phase codes for noise
bandwidth of the Bit Rate and twice the Bit Rate.
Correction Due to DC Offset When Synchronous Rectification and Integration is
used on Bi-Phase Codes, DC offset is fully cancelled out so long as the integrator
continues to be linear. On NRZ and RZ codes, however, uncorrected DC offset has a
dramatic effect. If the data is random in nature (50% “one’s” and 50% “zero’s”) the
effect is one of increasing signal amplitude on one-half of the data and decreasing the
signal amplitude on the other half. Meanwhile, noise content is unaffected. The
following chart shows the db change in signal amplitude for each half of the data. DC
offset is percentage of the peak-to-peak signal.

The effect of this shift on the Basic Error Rate Curve is shown on Figure 10, along with
data points from the Vector Bit Synchronizer. The data was obtained by disconnecting
the automatic DC offset correction built into the unit.
Conclusion
1. If NRZ data has been severely bandlimited below the bit rate by either pretransmission filtering or by the transmission system itself, but the noise is wideband in
nature, then the best performance in data regeneration is obtained by matching the
equivalent filter bandwidth of the received data and sampling the data.
2. If the received NRZ data and noise are both the same bandwidth due to th inherent
limitation of the transmission system (IF bandwidth, etc.) then no further filtering is
recommended, and sample if the bandwidth is below the bit rate, and 100% integrate if
the bandwidth is at or above the bit rate.

3. In order to remove the question as to what cut-off frequency to use in filtering, note
that for data bandwidths below the bit rate, 50% integration is never more than a fraction
of a db poorer than the best method, and for data bandwidths at or above the bit rate,
100% integration is always the best.
4. Except for special considerations, such as tape recorder electronics, certain ambiguity
problems, etc., avoid the mark and space codes if possible. The use of RZ should also be
questioned unless certain considerations unique with the problem are involved.
5. Bi-Phase stands to always give the best performance, particularly when the bandwidth
is about equal or a little greater than the bit rate. However, do not discount the phase
ambiguity in clock regeneration which was ignored for this discussion. At high noise
levels the advantage of Bi-Phase disappears.
6. On NRZ and RZ signals, DC offset, if uncompensated for, will cause serious
degradation in performance. This problem is eliminated in Bi-Phase Codes where 100%
integration is used.
APPENDIX I
The input integrator-filter, we can assume, is a bandlimited, smoothing function, which
forms an average

Since this function is continuous, and equals the convolution of f (t) with a rectangular
pulse, the fourier transform of f̄ (t) becomes

From Parseval’s formula, the energy is expressed

The integrator-filter output energy thus becomes

Where

N = Unfiltered White Noise Power
BW = fb-fa
fb = Upper Frequency Limit
fa = Lower Frequency Limit

The output noise energy equation then becomes (Assume fa = 0; DC)

The noise energy transfer ratio is then

The noise energy transfer ratio can thus be expressed as a noise RMS transfer ratio

Solving the integral, the noise RMS transfer ratio becomes

The probability function is therefore expressed as

where

NOTE:

r # 1, ALWAYS

APPENDIX II
With split phase signals, we set the integrator positive for one-half the bit period, T, and
negative for the second half.
The smoothing function becomes

This function is continuous, and equals the convolution of f (t) with a rectangular
pulse, the fourier transform of f (t)

The output energy is expressed

The integrator-filter output energy thus becomes

From the definition of filtered white Gaussian noise, the noise power is given as
N/(2 BW).
The output noise energy equation then becomes

The noise energy transfer ratio is then

The noise energy transfer ratio can thus be expressed as a noise RMS transfer ratio

The noise RMS transfer ratio thus becomes

The probability function is therefore expressed as

where

NOTE:

r < 1, ALWAYS

APPENDIX III
If the noise were filtered through a network whose upper frequency were fb and lower
frequency were fa … 0.
The output noise energy transfer ratio becomes

The output RMS noise transfer, r,
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THE EFFECT OF RANDOM THRESHOLD LEVELS ON PCM
QUANTIZATION NOISE
R. J. KERN
General Electric Spacecraft Department
Valley Forge, Pa

Summary It is common with PCM systems to consider a uniform quantization noise
(or error) distribution over plus or minus one half the quantization level. This
distribution must be modified to describe the effect of uncertainties in the location of the
decision thresholds which separate adjacent quantization levels. The uncertainties exist
because electronic decision circuits trigger somewhere within a narrow band surrounding
an intended voltage instead of at exactly that voltage. In this paper the encoding error
distributions, are calculated in terms of the distributions of the threshold locations. It is
shown that the variance of the quantization noise is increased by an amount almost
exactly equal to the variance of the threshold uncertainty distribution. The effect of the
uncertainty bands becomes noticeable only where the uncertainty band is an appreciable
part of the quantization interval. Prime examples are systems with small voltage
differences between encoding levels such as low-level systems (0 to 50 millivolts) and
systems with large number of quantization levels. Because error variance is related to the
square of the uncertainty range, a threshold uncertainty range of 1/10 the quantization
interval will increase the net encoding variance by approximately (1/10)2 or 1.0%.
Introduction For an n bit PCM encoder where the input voltage is uniformly
distributed throughout its range, the quantization error (or noise) is uniformly distributed
over a quantization interval. Thus the error probability density function (p.d.f.) is

(1)

The input voltage is encoded into a binary sequence representing the voltage at the
center of the quantization interval. It is implicit in the above statements that a decision
mechanism is used to precisely determine in which interval an incoming voltage resides.
In actual practice there is no perfect decision mechanism (or threshold device). Instead,
the decision (or threshold) level which is intended to lie exactly at the boundary of two
contiguous quantization intervals resides instead within an uncertainty band (±b)
surrounding this intended nominal boundary. The result is that the PCM encoding error

differs from that given in (1). This paper is concerned with the exact error distribution
including threshold uncertainty.
The position of the actual threshold level can be represented by a random variable, T;
having a p.d.f. given by

(2)

where the range T is ±b. The purpose of this paper is to determine the effect of T on the
quantization error distribution. The particular case of interest is when the input voltage
(random variable, V) is uniformly distributed between its limits ±VM and pT (x) is
symmetric about x = 0.
Thus

(3)

Distributions The problem is here treated by dividing the 2n quantization intervals (or
levels) into2 n-1 equal width “central” zones. A central zone is bounded by the center of
two contiguous quantization intervals. Thus an input voltage at either bound of a central
zone will be encoded into a binary sequence with zero error; all other location in the
zone will be accompanied by an encoding error. There are also two end zones, each of
half the width of the central zones. The situation is illustrated in Figure 1. Note that the
terms “interval” or “level” are standard PCM terms meaning the voltage ranges between
nominal threshold voltages. The term “zone” refers to the range between the digital
encoding voltages. The chance that V lies in a particular central zone is 1/2n. The chance
that V lies in a particular end zone is 1/2n+1. The quantization error p.d.f., p (e = x) =
pe(x) is determined by first finding the conditional p.d.f.’s of the error given that V is in a
typical central zone, in one end zone, and in the other end zone. These p.d.f.’s are
respectively pe/c(x), Pe/A(x) , and Pe/B(x) . Hence
(4)
Figure 2 shows the definition of error voltage (e) for a typical central zone, e.g. the zone
with zero nominal threshold and bounded by encoding levels ±a = ±VM/2n . As seen in
the figure the input voltage V is equal to the encoding level, ±a, plus the error, e, or

(5)

Equation (5) assumes that a >b which, from a practical viewpoint, is the only condition
of interest for a PCM encoder.
Then for e < 0,

because V and T are independent.
Likewise for e > 0,

Now if V is assumed uniformly distributed, pV(z) is the p.d.f. of V given that V lies
between -a and +a. Therefore pV(z) = 1/2a = 2n-1/VM and

(6)

This expression can be further reduced by noting that the limits of integration x + a and
x - a become x + a $ b when x $ -(a - b) and x-a # -b when x # +(a-b). Thus for these
ranges of x, pT (z) is integrated over its entire non-zero region and the integrals therefore
equal unity. Thus

(7)

The central term of (7) corresponds to values of V outside the threshold uncertainty
region. Specifically x # (a-b) implies -a # V # -b and x $ -(a-b) implies a $ V $ - b.
The effects of the two end zones must now be considered. The lower end zone (A) is
depicted in Figure 3. If V lies in this zone it follows that it lies below the lowest
threshold uncertainty region (again assuming b < a). Thus the conditional p.d.f. pe/A (x) is
independent of the threshold d.b.f. or

(8a)

Likewise

(8b)

Thus by combining (4), (7), and (8) and recalling that the end zone distributions
contribute to the total result only between +a and -a, we obtain

(9)

Equation (9) is plotted in Figure 4 for a uniform distribution of the threshold T between
±b, that is for pT (z) = 1/2b for -b # z # b and zero elsewhere.
If the threshold distribution is approximated by a normal function of zero mean and
standard deviation F<<a = VM/2n then it can be assumed with very little error that the
PCM encoder error is bounded by(a + b)which may be assumed to have a maximum
value less than 2a. Then the threshold p.d.f. is given by

1

It is again assumed that V is uniformly distributed from -VM to +VM.

(10)

Moments It will be seen from Figures 4 and 5, and can be shown analytically, that the
p.d.f. of the total error is equivalent to convolution of the p.d.f.’s of the voltage V and
threshold T, so long as V is uniformly distributed. Thus for V uniformly distributed it
follows that the error random variable (e) may be considered the sum of the random
variables V and T. Hence moments are also additive.

(11)
where a2/3 and b2/3 are the variances of V (in a central or end zone) and T, respectively,
and the coefficients are the probabilities that V lies in one of these zones. For the
guassian threshold variable we obtain
(12)

It will be noted that for large n, the error variance is approximately the sum of the
variances V and T. The right hand most terms of (11) and (12) represent the changes
from the usual PCM results.
Conclusions The exact PCM encoding error distribution, including threshold
uncertainties, is given in Equation (9). Specific uniform and guassian threshold
distributions are considered in Equation (10) and Figures 4 and 5. The second moments

are given in Equations (11) and (12) where it is seen that the system encoding error
variance is increased from its normal PCM value by a weighted threshold variance. The
weighting is (2n-1)/2n .1 for large n. Thus, for practical purposes, it may be assumed that
a direct addition of normal encoding and threshold uncertainty variances occurs. These
increases can be expected to be small except where the uncertainty range is an
appreciable part of the quantization interval. For more or less fixed uncertainty ranges,
the larger the number of quantization levels and the smaller the overall system voltage
range, the more significant will be the uncertainty range.
For example, an 8 bit, 50 millivolt system has an quantization interval range of 0.195
millivolts. If a uniform threshold uncertainty range is 1/10 this value, or 19.5 microvolts,
the total encoding error variance becomes

The second term in the brackets is the added error caused by the threshold uncertainty; it
accounts for a variance of about one percent.

Figure 1 - Quantization Intervaland Decision Zones

Figure 2 - Central Zone Errors

Figure 3 - End Zone Errors

Figure 4 - Error Distribution for Uniform Voltage and Threshold Distributions

Figure 5 - Error Distribution for Uniform Voltage and Guassian
Threshold Distributions

ANALYSIS OF MULTIPLEX SYSTEMS BASED ON ORTHONORMAL FUNCTION GROUPS
By MARK J. BAlAS

Summary.-Linear multip1ex systems may be represented as sequen
tia1， invertib1e transformations on a message set. Such transformations
are based on orthonorma1 functions 扭曲e Hi1bert space of square-inte﹒
grab1e functions. Demu1tip1exing is accomplished with the inner product
which results in high immunity to noise and bandlimiting. When the
orthonorma1 functions form a mu1tip1icative group， easily generated pu1se
functions arise. Methods are presented for determining these function
groups and their corresponding a1gebras which yie1d simp1e and usefu1
multip1ex systems.
Introduction: Linear Multip1ex Systems • -A mu1tip1ex的stem is a com
munication system with the refinement that severa1 messages may be
transmitted simu1taneously over the same channel. When the messages
are sequences of rea1 numbers， in a given time interva1 [0， 1]， a term is
a
c
t
立ttAJZZ土 lf;2::賞?計 芷江tttnrb忠平: 223:;芷江;;l
transformations on也is n-tup1e (ref 1，2); linear mu1tip1ex systems are
those in which the transformations are 1inear and invertib1e (ref 3，4).
The operation of mu1tiplexing becomes T(鈍， • • • ，an) = C， the composite signa1， and demu1tip1exing is the inverse transformation T-1 which
res01ves C into its origina1 components. For flexibility， the composite
C is assumed to be in the Hilbert space U�[ 0， 1] ofl square-integrab1e，
r
real functions on [ 0， 1] with inner product抖，y) 至 υO
1 xy (ref 5); Rn may
a1so be embedded 扭曲is space.
The basic multip1ex transformation is T(肉， • • • ，an) = al Xl + . .• +anxn
where {xï1 is an orthonorma1 set， i.e.， (門，Xj) 6 ij. :- Every_ invertib1ë
transformation is composed of T and another ínvertib1e encoding trans
formation H; T-1 must be foll owed by the decoder H-1 at the receiver
(fig. 1).臥el to the inner product， T-1 C ((C，Xl )， • • .， ( C， xn)) which may
be physically realized by coherent cross-corre1ators or matched fi1ters
(ref 6).
Thus， all linear mu1tip1ex systems are based on orthonorma1 functions
in L2 [ 0， 1] and demu1tiplexing may be accomp1ished with the inner product.
Many standard orthonormal sets may be used for {xd such as Legendre
p01ynomials， Hermite p01ynomials， trigonometric products， and pu1se
functions (ref 7，8，9， 10).
Error in Linear Mu1tiplex Systems. -The channel does not usually re
produce the composite C wi位lout error of so位le type-linear， nonlinear，
random， or combinations of these. The output of the channel is actually
KC + N where K is a transformation on C， and N is a random noise com
ponent. When K is linear and invertible， it may be eliminated by its
inverse at the receiver.
The operation of the demu1tip1exer on KC + N yie1ds
T-l (KC + N) T-1 KC + T-1 N
((KC， xi)， • • • ， (KC，Xn)) + ((N，xi)' • • • ，(N，Xn))
=

=

=

=

1/ This process is equivalent to the operation of samp1e and h01d
circuits on n real-va1ued continuous functions.
The outhor is

叫

Horry Diomond Loborot。們的， Woshington， D.C.

For a stationary random process with x i and N uncorre1ated， (N， x i)= 0
for all i. A1though comp1ete 1ack of corre1ation is not pos sib1e， it is close1y ap
proximated for the case of coherent cross-correlation of nonrandom signals
and Gaussian noise where the correlator maximizes output signal-noise
ratio (ref 1 1 ). 50 inner product demultiplexing resu1ts in optimum per
formance in the presence of noise.
Bandlimiting of the composite is also a common type error and may be
represented by the noninvertib1e linear transformation K which truncates
the Fourier series of C at the nth harmonic so that亡== KC. K is linear，
hence，
n
n
n
_
C = KC= K(1: aixi) = 雪 a i Kxi =.I: aiXf
1=1
1=1 1=1
and，
T-1 (KC)= ((KC，Xl)，" " (KC， xn))
n
In
\
= \ l'=la i(咒， Xl ) ， • • .
的，x n) )
=

In

a (咒罵)，
伊
、1=1 i

心

n

.
1

• • • ' I: ai (咒罵})
=1

\

)

5ince (呵，支n f Ô泊， orthonormality is lost to a degree dependent on the
amount of (runcation (since l!m (呵，有)= ( 呵，可)=ô ij ) and the j出 com﹒
N .... ∞
d
ponent has a distortion factor (呵，可) and a crossta1k ai(咒，有) from each
of the othe r N-1 components.
From append i x 1， when all distortion factors are within e of unity，
出en every crossta1k factor is be10w e; thus， maximizing the distortion
factors， which are the energies contained in the truncated Fourier series，
automatically reduces the crossta1k. Consequent1y， linear mu1tip1ex
systems may be made largely immune to bandlimiting and noise by selec
tion of也e proper orthonorma1 set and correlation demultip1exing.
Orthonormal Function Groups.-1n general， orthonorma1 functions
are not easily generated e1ectronically; however， the examination of such
functions which form multiplicative groups (ref 12) yields pulse functions
easily generated by 10gic circuitry. These functions have no directcurrent component since each is orthogona1 to 1. Also， for 10w data
frequencies these functions have high energy density in the ear1y harmon
ics and位lUS tend to reduce crossta1k as seen in the previous section.
The resu1ts used in thi& discussion will be proved in more detail in the
following section.
Orthonorma1 groups are mu1tip1icative groups embedded in a real
a1gebra 恤，+，• ) with a linear functional f on 出e group e1ements such that
f(Xi' xj)=判. This definition mere1y abstracts the property of such
2
groups in L [0， 1].
From the standpoint of linear a1gebra when {xïl of the multip1ex
system forms a finite group (G，.)， then all composite signa1s C belong
to the group a1gebra A(G) over the reals (ref 13) wi出 multiplication
n (1)
n (2)
n n 1泊 (2)
C1。c2=Z ai xiOF ai xi=Z F ai aj xi可﹒
1=1 1 =1
=1
1=1
5ince A(G) is a suba1gebra of L2[O，汀， it has the induced inner product
(C1 ，C2) =

，.1

I

o

�

0

Ca •

The dimension of A(G) is th� order of G， i. e.，也e

number of elements in G.
弓 ，
When the groups are Bo01ean， - ， any two group algebras are equiva
lent if and only if the groups are equivalent. 5ince orthonormal groups
之/ Boolean: every element of the group is its own inverse.
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a._re Boolean， 位le properties of their group a1gebras useful in multip1exing
may be determined from the groups or their equiva1ents ，
�
All finite Bo01ean groups are equivalent to GF(2)n �I for some n and，
consequently， have 2n e1ements. Not every Bo_olean group of functions is
orthonormal under the inner product of L2阱， 1J; so， in order to generate
useful orthonorma1 groups， it is necessary to determine when a Bo01ean
group bas a subgroup with this property of realizability.
R于is a suba1gebra of L2 [.0， 1 J and the Bo01ean center B[ RnJ ::
[xeRn l x2= l} = [(1<1'...，K n) I K i = - 1 or +1} and is a Bo01ean group of
functions equiva1ent to GF(2)n . Every finite Bo01ean group of functions
may be represented as B[ RnJ for some n and from this representation a
realizab1y orthonorma1 subgroup S may be found if and only if n = t.2 k;
that is， n is an integer mu1tip1e of the order of subgroup S. When t = 1，
S is the 1argest rea1izab1e subgroup in B[ R nJ. The proof of these
theorems (see section f01�owing) a1so provides a method of constructing
S. The generators of a 2k e1ernent realizable �ubgroup
- S are the first k
co1umns of t
þ e matrix whose rows .are 1， the 2k t lÎp- 1es wi位1 +1 entries in
all but the ith position wþich has -1 where 1$ i $ k ， and all possib1e dis
tinct products of these 2k tup1es. The following example illustrates this
process. Suppose an 8 -e1ement rea1izab1y orthonormal subgroup is
desired， then consider the first three c01umns of

These'位lree columns generate the realizable group whose e1ements are
shown in figure 2.
'�
k
Once a realizable subgroup is found in B[ R22 J then a transformation
which preserves realizability may be app1ied to obtain a new realizab1e
subgroup. Such a transformation T is defined by the property

:Tx=J:X f 11 x ε S ;
S
on1y transformations of this type are permutations of the entries in the
…

位le
e1ements of S， 于e.， T(肉，...，a-;ak)=(a
'…，a 注 ) for a p戶ermu協
σ(1)
σ( )
.
t討io∞nσ . Since 2 K� of these transformations exist， the same number of 2 k
element realizab1e subgroups become avai1able when one realizable
subgroup- is k nown.
The total number of 2k e1ement subgroups in
B[ R2kJ is
"'" _ .. • •
�
k
(22 _ 20 ' )(22 _21)
N(2k ，k) ::
(2k_20)(2 k_2 1) • • • •

•

•
•

氏
._�k
2 _2k-1 )
(2
• (2k _ 2k-1)

(ref 14) and for the case k = 3出ere are 8� =40，320 orthonormal subgroups
wi也8 elements out of N(8 ，3 ) = 97，155 subgroups of 8 elements. Thus，
8-element orthonormal subgroups mak e up 40 percent of出e 8個element
subg�oups in B [ R8 J; in general orthonormal súbgroups are plentifu1 in
-B[ R 2 ].
3 1 GF(2)n ::

( f(k1，.. .而) I k1=0 or 1}

moωo two addition

Mathematical Discussion of Orthonormal Groups. - In this section
出e properties of finite orthonormal groups are developed using a1gebraic
techniques of references 3 and 12. The major resu1ts are:
a. Suffícíent condítíons for a Bo01ean group to be orthonormal.
b. The fact that equíva1ent algebraic properties of Boolean group
algebras depend only on the respective groups.
c. Necessary and sufficient conditions for the existence of
realizably orthonormal subgroups in a Boolean function group.
d. A characterization of homomorphisms on a Boolean group
whích preserve orthonormal subgroups.
When these results are applied tõ functíons in L2阱，汀， the multiplex
e1ements of the precedíng section are obtaíned.
Theorem 1: Every finite Boolean group G is equivalent to GF(2)n for
some n.

Corollary la: Finite Boolean groups are equivalent iff (if and only if)
they have the sa口le number of elements.
Corollary 1 b: There exists an n such that any finite Boolean group
has 2n elements.
Proof: (All Boolean groups will be considered additive in this proof. )
Since anγBoolean group G has characteristic 2; i.e.， 2x = 0 for all
xεG， it may be easily verified that G forms a vector space over出e
fíeld of two elements GF(2). Since both group and fíeld are fíníte，由e
space is finite and， consequently， has finite dimension n. Every finite
dimensional space has a fínite basís; fxd is finite basis for G:GF、(2).
G:GF(2) = {O，�� }x{O，X:iJ}x. '.x{O，xn J = Grx.. .xGn where Gi三{O， x i}.
Of course G i is equivalent to GF(2) and therefore G:GF(2) is equívalent

很無記F(

to GF(
2)， which ís wrítten G:GF(2)自GF(2)n. •
The corollaries follow dírectly from thís theorem. The vector space
propertíes of Boolean groups are useful; in particular， dím G = n iff
G has 2n elements.
One method of determíníng a Boolean group ís to define the Boolean
center of a se口
� ig.:ou� as fo�lo ws: _let P be a multíplicative semigroup
wíth unit and B [ þ]三{xE P I �_ = 1}. The Boolean -center is a grõup �hen
P is commutative. Thus the B[ Rn] is a finite Boolean group of functions
and any other Boolean group with 2n elements ís equívalent to ít by corol
lary la.
Orthonormal groups are automatícally Boolean， that ís，
Theorem 2: If G，﹒) ís orthonormal group，then (G， • ) ís a Boolean
group.
::' �o_o� : �:.i f�xr .:'j � ; ð íL f � al �\，)εG and assum_e xí 幸x
í 1 for some í，
; .
.X -1 = 1 = 1﹒
，
.
So
f
=
f(I.
_
.
-1)
1)
.
f(x
'x
1.
0
and
f(x
= 1 and f ís
then Xí
'x
=
.
�
í
í ír
í i
not well defíned. Thís contradícts the �efínítíon of an orthonormal group
and thus ímplies xí = Xí-1 for all í Or X í2 = 1 for all xí E G whích meãns G
ís Boolean. • The converse ís not generally true even if (G，.) ís assumed
to be embedded ín an algebra (A， +， • ) ; however， íf (A， +， • ) = A(G)
then Boolean and orthonormal groups are equívalent.
Theorem 3: If (A， x， • ) = A(G)也en (G， • ) ís Boolean íff (G， • ) ís
orthonormal. In fact， G ís orthonormal under the standard ínner
product on A(G).
Proof: a.) Orthonormal ímplíes Boolean from theorem 2.
b.) Suppose G ís Boolean. There exists a function f:任也such
that f(l) = 1 and f(x半1) = 0 for all xεG since f is well defíned. Also，
f(xf)=f(I)= 1 for all xiEG and
f(xi ﹒可幸1) = 0 for all x i' j E G since G is
Boolean.
i 幸j V

�

f(X í'X j)

=

ôij. Sínce f is not línear， another functíon F is defíned which

is linear.

n
n
F\� aixi) =i
這 ai f(xi ) where Xl

(A， +， • )= A(G).

�

=

1.

This is possib1e since

Note伽t Fl l aixi)= al and is thus a pr咐ction map

which is linear; so G is orthonorma1 under F. Now there exists B E A(G)
n
such that F(x)=(x， B) for all x E A(G) whe re B = �� F(Xi)
By definition
... . x í
..1.'
1=1.

of F， B=1 so F(x) =抖，1) which imp1ies F(xi' X﹒)= (xi ﹒莉，1) =6 ij •
The standard inner product on A( G) has the prõperty (x. Ð y， 1)=(x，y) for
all x， yεA(G) so F(Xi'Xj) =(呵，叫) =õ ij and G is orthonorma1 under the
•
standard inner product..
A rea1izab1e orthonorma1 group G is one in which the function f in
the above proof is realizable from the inner product on L2[ 0，口， i. e. ，
f(x)=

I

u

X for all XεG.

This 1eads to the following:

Theorem 4: G is rea1izab1y or曲。normal iff G is Bo01ean and
r1
íO if X 幸1
for all X E G.
= I � : � ，.. �
JI . u X
• •
L 1 if; X= 1
Thus an orthonorma1 group G need not be rea1izab1e in its group a1gebra
A(G) un1ess the inner product of L2 [0，1J coincides with the standard
inner product on A(G). Conditions must be found under which a finite
Bo01ean group has a realizab1e subgroup.
Since G is finite and Bo01ean， by corollary 1a， it is sufficient to
consider也e equivalent Bo01ean center B[ Rn]. The condition for a
r1
1 n
realizab1e subgroup S becomes
X=百 至 a i=O for all x ={旬，• • • ，an)E S;
1
this condition does not insure the existence of such a subgroup and it is
this question of existence which will be answered after the following
preliminaries.
n
Since ai = + 1 or -1 and�� ai= 0 for all nontrivia1 (al ，• • • ，an)εs，
1=I
then in the equiva1ent GF(2)n， where
+1 .... 0
-1 - 1
n
n
1也ai
n . . _ . . ..
_
一一， - 1=I
by the ru1e h(ai)=-oy�� ai• =��(l
- 2h(ai))
or
.
• . . = n﹒之�h(a i) = 0
1 1'

人

c.

=

1=1

n
T\
h(ai)=去﹒The rea1 sum of entries of the e1ements in GF(2)n is a norm
i�
(ref 10) on the space GF(2) n: GF(2); so the rea1izab1e subgroup prob1em
becomes 出at of determining the existenc� of a subgroup of GF(2)n such
品的自e norm oJ a1� nonzerõ e1ements is -Ï � Such a subgroup is called
constant norm i. The exístence of a tran-sformation T， which carries
n
any_ subspace o� GF(2)n �n�o a ::?n?tant norm -ï spafe，
ins�res the des�red
t
t
.
。rtho ;ormal subgrou�; '! is called �ons:a�t nõrm -ï t_:ansformatí.?n. Such
. = 0;
.
_
transformations are 1-1 (suppose
Tx = 0 then norm Tx = nOJ;:.m (0)
since T is constant norm 出en x= 0 or x幸o and norm Tx =ζ = 0 which
"
means n= 0 or S= (0)= GF(2)o ; in ei出er case T is 1-1).
Theorem 5: Let S b� a k-dimensional subspace of GF(2)n. :I'here
exists a constant norm♀ transformation T:S - GF(2)n iff n = t. 2k for
some integer t.
Proof: Suppose n = t . 2k• Let T =[剖， the matrix whose rows are the
distinct elements of S. C1ear1y T is 1-1 since the maximum number of
linear1y independent rows of T is the dimension of S; so rank T = dim S = k.
ITi
I
1'1'，

Let Tt= 付
...

IT:

I

0lwhich is a1s0 1-1
Inxn

La �
_
� ，�
Let 8，XE S so that x=. '
t
i Ei ' s =. f;d
i Ei
1 =1
1=1

since rank
Tt = rankT = k.

4/
a，

and

define the linear funcωnal fx on出e row space ofTt to be fx(s) =. 予的，
1=.1.
2k
Zk
Consequently norm
T tX = . � �fx(Vi) = t.�
� fx(Vi) where Vi are distinct
1 =1
1=1
elements of血e row space ofT which is S. SinceTt is .1-1 then dim
1
null space fx = k- l for all nonzero xεS ﹒ so there a�e Zk- distinct

f

在

elemeots vi in the null space fx ﹒ Thus J fx(Vi) = Zk_ Zk-l = Z k-1 and
1=1
l
k
=
for all nonzero x e S andTt is constant
norm T tX = tZ - =

norm

i

芋 �

i. This proves existence of constant norm transformaωn; now

suppose
Tt exists and show n = t .Zk . Let 坑， • • • ， vp} be the distinct
elements in the row space ofTt and let each vi occur ti times as a row of
n
T t; n =
i﹒ Since Tt is con糊nt norm 7 then it fs 1-1 and dim

品

row space
Tt =

dim S

Tt> i.e.， p =仇

= k; so there are Zk distinct elements in rowspace

Le't x字0，

P
P
P ti
‘
t._ t fx(Vi) = ; � ‘一- which means)� ti(1 - 2fx(vi))
、
←
r
1=1
: =1 ia �' �' 1 =1 �
，
1 - �fX1(V1)' ••• ，1 - 2fXl(vp)
Let

手

1

A;: I :
11 - 2fXp(v1)，

1

•

where Xl言。也en

A[:1:-「81
Itp l 1- 0 1

• . ， 1 - 2fxp (vp

Conside� F ;: -( (fx(v山. •

•

主x( vi) = -î

XE S and normTtx =
=

or

0 for all nonzero x E S.

I

川

I

， fx (vp )) x εS} which is a con啪的norm

f

subspace of GF(Zl using lemma 1 and出e fact thatTt is 1﹒1. When
F is converted to multiplicative form， it becomes an orthonormal group
and in fact the row space of
Since rows of A are distinct and
1
盯伽norr叫出en AAh pI(A is an orthogonal matrix.)Thus

A.

and

r t，

1

: I
1卜I
l﹒ I
I t�i
.t' i

r01

=

1...1
t I :91
I

�A
P

I﹒I

._

1 01

l �

=

rn

1

1.

I

A-z = EAt

I1 古� i|

i h_
li>1

since the first row of A is (1，... ，1)-..
=�三t and n = tp = t .ZK..
= ••• = tP
o p

-

1

Lemma 1: T:S - GF(Z)n ;
íx = k
1 for all x幸O，XES.

-

dim S = k ; T is 1-1 iff dim null space

Proof: Suppose
T is oot 1-1位len there exists x幸0，XE S such thatTx = O.
Thus fx(V i) = 0 for all vi in row space of T and null space fx = row space
T = dim S = k.Thus there
。f
T 50 dim null space fX = dim row 5paCe of
exists x幸0， XE S such that dim null space fX 幸k - 1.
Supp08e
T is 1-1 and there exists x幸0， xES such that dim null space
fx:t k - 1. Notice dim null space fx = dim S - dim Range íx and either
Range fx = 0 or GF(Z) 80 dim Range fx = 0 or 1 and dim null space
íx = k - 1 or k

4/ 1: denotes modulo two addition.

:. dim null space fx = k and Range fx= O. Consequent旬， row space of T
is null space of fx ﹒80 there exists x千O，xε8 such that fx(vi) = 0 for all
Vi in r仰space of T﹒Then norm Tx= 也(Vi) = 0; so Tx= 0 and x幸O.
Thus T is not 1-1 and this contradiction proves位le lemma.1I
Of course， theorem 5口-eans that there exists a 2k e1ement orthonorm
a1 subgroup 8 in B[ Rn J iff n= t. 2k. It is a1so apparent that the large�t
such subgroup
occu，rs when t= 1 (for if not， then there exists吉with 2L
elements in GF(2) 2k aI?-d L> k ; s� n = 2k = -p. 2L for some integer p by
theorem 5， but -2 L> 2k_means p is not an i�teger and this contradicdon
denies the existence of 8.
n
Once a con于ta�t n or� .z sub:ouP is obtained， nc:>rm preserving trans.
. . other such subgroups;
transformations which pre
formations on it yie1d
serve the norm a1so preserve orthonorma1 subgroups.
Theorem 6: T preserves the norm on a subspace 8 of GF(2) n iff T
permutes the entries of any element in 8.

品

Proof: Let (a1 ， • • • • an)ε8 and T(a1 • • • • • an)三(計叭叭， • • • ，aσtm )for a fixed
permutation σ. C1ear1y T is 1-1 and onto by the nature of σ . A1so norm
n
n
T(鈍. • • • • an ) = norm (aσt刀，...，aσ(11)) = i已a咧 =iEai =norm (剖. • • • ，an).

Now suppose T preserves norm on a subspace 8， then T is 1-1 since
Tx =0 for xe8 imples norm Tx = norm x = norm (0) = 0 and norm x = 0
implies x= 0; s� null space T = 0 and T is 1-1. Let (a1'" ..an)e 8 and
旦
旦 _
T(剖 ，...，an )= ai 咒 j ; TEj九三AijEi where T=[Aij ] in the standard
basis.
，!，hus norm T(a1 • • • • • an) = norm (肉. • • • • an) implies norm
n n
zzfaj E(ijEi =al + .. .+an = aσw+ ' " +aσ削for a fixed permu旭ωnσJ- J
n
!!
n 11
Thus norm A E f jhj)Ei = 切+. • • +句 ω or
jA ij)=a耐. • • +a喇

A

i

到全

j

主

a內= ao{i) for all i. C…que州川恥 ，叫= 叫Ei =
j
n n
n
n
n
��Aijaj) Ei=:�aj:[AijEi = :� hTEj = T(al . ....an ) for all (al.....an)e8.
J司
1

md

1

J司

月

J司
:

:. T permutes the entries of e1ements of S. For a 2k e1ement or曲。
normal subgroup in B[ R: ] there are 扒 O叮r 出伽。∞n∞。rmality. prese 叫n
transformations (due tωo 2扭K� P
μermut旭a“tions) ; c∞O∞nseq伊uen叫q廿y 2許K� realizab1e
O盯rt出h。∞n∞。叮rma叫1 s叫ub均groups with 2訣k e1ements �xist in Î3[ R2K'J .
The last theorem states the equiva1ence of Boolean group algebras is
dependent on1y on the respective groups.
Theorem 7: G. H finite Bo01ean groups. A(G)向A(H) iff G閱日.
Proof: a) G is finite;so has p elements and thus dim A(G) = p. 8ince
A(G)自A(H) then dim A(H) = P﹒8ince H forms basis for A(日) so H has p
e1ements and by 竺orollary la H and G are equivalent.
n
f
n
f
b) Let G自H then A(G)自A(H) where f' (�aixi)三�aif(xi) is an
1 =1
=1
i
algebra isomorphism.. Thus none of the group algebra properties are
lost when equiva1ent Bo01ean groups are considered.

拱
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Appendix

1:

Crosstalk Reduction with Orthonormal Functions

Theorem: Let {CPk } be a total or出onormal set持a real Hilbert space
H﹒ Let {fd be a finite叫of elements in H andT j MKWK for all

L

fe Ud. Given a real number e> 0 there exists育such that IIf - TII2 =
(f - T， f - T) < e for all f E Ud and I怔，g) - (T，g)l < e for all f，gE Ud.
Proof: There exists a finite set of N' 5 such that for all e> 0 IIf - TßG< e
for all fE {fd since (CPk } is a total orthonormal set in H and且m T = f.
l'司司(x)

Let有be .!_he l�rgest �1.!_ch N an4_le口，gE_l!i}. Sinc�(f-_I， g -g)�
怔， g) - {!ti) - (五位 + (毛主) and 怔，王)=(f，g)=怔;g) then (f-T， g-g)=(f，gf-(r，否) or
I (f，g) - (豆豆)I=I(K - I_d� - g)f ._..By Cauchy -Schwarz ine�ality l�. �f 5)，
j(f，g) ﹒ (了; -g)í � IIf.:.! l .
-g1 1 . ' Th';l s _giv en e> 0 a�，:!_ l守 ， lIf;T，I
I :l < e for all
"
會 = e .•
fE 1fd then IIf - 刊之 e�-for all fE Uï}- and I 口，g)- 仔石) 1 < e會 e
Since IIf - T 112 = 1It112 - lIT!2 then IJ f﹒司2 < e means II TIF> 11月2 _ e . When
'
{fi} is a fi"iüte orthonörnÌå.l-set in H then the theorem hecómes:
e
and
e
for
all
f，gE (fï}.
I<f，g)/
<
Given e> 0 there exists賀，何12> This means that if a finite orthonormal set of functions is chosen so位lat
the energy in生e truncated Fourier series of each function is 1 - e for
the bandwidth NWo， then each crosstalk term fromacorrelation demultiplexer is less出an e (assuming the unit vector is applied to the
system ) •
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DETECTION OF ORTHOGONAL SINE AND COSINE PULSES BY
LINEAR ACTIVE RC-NETWORKS
P. E. SCHMID, D. J. NOWAK
Allen-Bradley Co.
Milwaukee, Wisconsin
H. F. HARMUTH
Consultant

Summary An active RC matched filter, particularly useful for phase-coherent, coded
or uncoded, binary or non-binary communication channels, is described. One detector
circuit performs the equivalent of two simultaneous cross-correlations, avoiding the need
for electronic multipliers, reference wave generation and phase synchronization. For
example, only I circuits are needed in a receiver that is required to detect the polarity or
presence of an orthogonal set of I sine and I cosine pulses.
In view of the circuits realizability with linear IC technologies, the sensitivities with
respect to circuit component variations are analyzed in detail. The results of the
sensitivity analysis are presented in graphical form. Experimental results confirm the
predicted performance; i.e. Q-factors in excess of 4000 were obtained with small,
general-purpose operational amplifiers.
Introduction Orthogonal sine and cosine pulses of duration T - consisting of 1, 2, ---M
... I integer cycles within the interval T - have been proposed and used for the
transmission of digital information by several investigators.1-3 In the parallel mode of
operation, 2I independent binary digits may be transmitted simultaneously by
multiplying each sine and cosine pulse by +1 or -1 and adding the multiplied pulses.’ In
the coded transmission mode, only one out of 2I signals is sent in one interval T.2,3 For
the purpose of explaining the detector functions in a typical application, the parallel
phase-coherent transmission mode will be referred to throughout this paper; however, it
should be pointed out that the detector to be described can be utilized equally well for
the reception of coded binary as well as nonbinary signals based on orthogonal sine and
cosine pulses.
Principle of Operation In order to regain the binary digits at the end of each signal
interval, two methods are commonly employed to perform the 2I necessary crosscorrelations during each detection interval 0 # t # T.4

Method A: Generate and synchronize 2I periodic reference waveforms and
continuously multiply everyone of them with the received superposition of I sine and I
cosine pulses. Integrate the 2I products during each detection interval and sample the
integrated products periodically at the time t = T.
Method B: The composite pulse is fed into 21 linear filters with impulse responses
approximating - as closely as possible - the above mentioned reference waveforms
during each finite detection interval. Sample the 2I filters periodically at the instants
t = T.
The detector circuit described in this paper improves on Method B and may be called a
matched filter. Since a matched filter performs convolution rather than cross-correlation,
the detector waveforms for Methods A or B are distinctly different within the detection
interval; even so both methods yield the same result at the sampling instant t = T.
Filters “matched” for the pulses cos 2BMt/T and sin 2BMt/T call for impulse responses
of the form cos(-2BMt/T) and sin(-2BMt/T), respectively, during each interval 0 # t # T.
Thus, the approach is based on the fact that sine and cosine pulses are eigenfunctions of
the following differential equation and boundary conditions
(1)
where y stands either for voltage or current. A feedback circuit., consisting essentially of
two active RC-integrators and an inverter stage, has frequently been used for the
simulation of equation (1).5 One version of this circuit is shown in Fig. 1. It has the
following attractive features:
1.

One circuit simultaneously performs the convolution with both the sine and cosine
pulse containing M cycles within the interval T. Thus only I circuits - rather than
2I - are needed in receiver structures such as given in references.1-3

2.

In comparison with Method A, the 2I electronic multipliers (with large dynamic
range) are eliminated and the generation of 2I phase-synchronized reference
waveforms is avoided.

3.

The circuit is compatible with todays linear IC technologies.

4.

Due to the absence of inductors, operation at frequencies as low as a fraction of a
Hertz is feasible with Q - factors of several thousand.

It should be mentioned that the differential equation (1) is also obtained in a lossless LCresonant circuit. A nearly lossless LC circuit has been used in the “Orthomatch” systems
Orthomatch, however, did not operate in the phase-coherent mode, since one single LCresonant circuit does not permit the simultaneous detection of both the sine and the
cosine pulse. The performance of LC-resonant detectors is primarily determined by the
inductors Q; thus, the size of high-Q inductors usually forbids the use of LC circuits at
low frequencies. An electromechanical analog to the LC-resonant circuit has been used
in the KINEPLEX system.7 Mechanical resonators have the advantage of small losses; on
the other hand, they are not readily compatible with todays linear IC technologies.
Circuit Description and Analysis Fig. 1 shows the circuit for the detection of
orthogonal sine and cosine pulses. An individual pulse with positive or negative polarity,
or alternatively, the superposition of several pulses is applied to the input (e1) at the time
t = 0. At the time t = T, the voltages e3(T) and e4(T) are sampled for polarity decision and
immediately after that, both capacitors C are discharged by closing the switches S1 and
S2. Then the next pulses can be detected. Resistors Rs represent the leakage resistance
(incl. capacitor losses) between input and output of the operational amplifiers and also
account for the finite dc-gain of the amplifiers. Beside RC-network drift, leakage and
finite gain are the most significant limitations of the circuit.
The circuit of Fig. 1 is described by the following differential equation:
(2)

(3)
Since the homogenous solution of equation (2) is a damped sinusoidal oscillation of the
form
the time required for e4(t) to decay to 1/e equals J/8 and the cosine and sine terms will
have 1/2B8 cycles in the interval 0 # t # J/8. Following a definition of Morris8 for the Q
of RC circuits, one obtains Q = (1 + 82)1/2 /28 for a circuit described by equation (2). In
practice Q-factors of several thousand have been achieved (see experimental results).
Coarse tuning of the circuit is accomplished by proper selection of both integrator time
constants RC. If the circuit elements associated with both integrators differ

(R'C' … R''C'' ; R's !… R''s), it can be verified that the basic relations (2) and (3) still hold
by replacing J2 by J' J'' ,28J by 8' J'' J' and 82 by 8' 8'' . Consequently, there is no need
for precision RC networks and the “resonance time constant” J may be easily adjusted by
changing R1 over a small range of its value. Note that an adjustment of the input
amplitude by means of R2 does not affect the tuning nor damping of the circuit. For
simplicity, R1 = R2 is chosen in the following analysis.
In order to investigate the circuits detector operation, the input voltage e1. in equation (2)
is written as

It is assumed that the circuit is tuned for sine and cosine pulses with N cycles within the
interval 0 # t # T i.e. J = T/2BN, with both N and M being integers. The solution of the
differential equation for e3(t) and e4(t) at the time t = T is straightforward but
cumbersome. For the lossless circuit, i.e. for 8 = 0, normalized output voltages are given
in Table 1 for all eight possible cases.
Sensitivity Analysis A practical circuit will exhibit deviations from the ideal values
indicated in Table 1. Therefore, the circuit designer will be interested in the magnitude
of these deviations for any chosen set of circuit parameters. The two major causes for
deviations, namely component value drifts and circuit damping, are introduced into the
differential equations as follows:
1.

Relative drift * of the resonance time constant:

2.

Circuit damping constant, for R1 = R0:

It is further assumed that the orthogonality interval of the incoming sum of sine and
cosine pulses is synchronized with the detection interval.
For the indicated ranges of parameter variations, the solutions9 for e3(T) and e4(T) were
programmed on a computer and the graphs of Figs. 2-5 show some of the computed
deviations with respect to the ideal values in Table 1. Because performance
deteriorations become more noticeable with increasing values of N, the graphs are shown
for N = 16. Since the solutions for e3(T) and e4(T) are similar9 only the results obtained
for e3(T) will be discussed here.

The numerical results are presented on double logarithmic paper in order to emphasize
ranges of practical interest; deviations from the ideal values of e3(T) 1 or 0 of Table 1 are
plotted vertically. The drift magnitude is plotted horizontally while 8 is the curve
parameter. Numerical results were obtained for both positive and negative values of *;
the curves for negative * are shown with dashed lines. A closer inspection of Figs. 2-5
reveals the following circuit performance criterions. Circuit component stability is the
most critical factor for the rejection of the sine pulse e1(t) = E sin 2BNt/T at the “cos”
output e3 of Fig. 1. In this case (Fig. 3), 8 is of little importance since the curves for 8 =
10-3 closely approach the nearly “lossless” curve for 8 = 10-8. However, circuit damping
is most important for the rejection of the adjacent harmonic sine pulses with M … N at
the output e3 of Fig. 1 (Fig. 5). As a rule of thumb, one may conclude that * and 8 are
equally important. There is little point in making 8 much smaller than * or vice versa.
For example, in a practical application utilizing 16 cosine and 16 sine pulses (N = 1 . . .
16), it is sufficient to keep both 8 and * below 10-3 in order to hold the crosstalk from an
adjacent harmonic sine or cosine pulse below 2%.
Experimental Results Fig. 6A shows the sine pulse e1(t) E sin 2Bt/T, produced by
digital/analog conversion circuits. Fig. 6B and C show the output voltages e3(t) and e4(t)
caused by applying this sine pulse to the input of the circuit of Fig. 1. Correspondingly,
Figs. 6D-F show a cosine pulse e1(t) = E cos 2B/T and the output voltages e3(t) and e4(t).
Typical oscillograms for measuring crosstalk are shown in Fig. 7. The sum of 16 sine
and 16 cosine pulses with M = 1 .... 16 is applied to a detector that is tuned for the pulses
with M = 8, i.e. with a resonance time constant J = T/2B-8. In Figs. 7A,B,C the sum of
all 32 pulses is received; but in Figs. 7D,E,F the sine and cosine pulses with M = 8 are
omitted in order to demonstrate the negligible crosstalk from the other 30 orthogonal
pulses. Figs. 7A,D show the composite input pulses while Figs. 7B,C and Figs. 7E,F
show e3(t) and e4(t) for the two cases, respectively.
The circuits damping 8 and Q-factor were determined by keeping the switches S1 and S2
open after exciting the circuit by a trigger pulse to oscillate. The impulse responses e3(t)
or e4(t) were then observed. For an oscillation frequency of 10OHz, the experimental
amplitude decay time J/8 equalled about 14 seconds. Hence, about 1400 cycles occurred
during the time J/8. From this follows:

Finally, Fig. 8 shows responses of three detectors, tuned for the resonance time constants
T/(2B-128) and T/(2B- 129) and T/(2B- 130) to an input pulse e1(t) = E cos 256Bt//T.
With T = 8 ms the corresponding detector “resonance frequencies” were 1024Hz,
1032Hz and 104OHz. Fig. 8A shows e3(t) at the first mentioned detector while Figs. 8B
and 8C represent the output voltages e3(t) of the first adjacent and the second adjacent

detectors, respectively. The lower two traces reveal that the crosstalk from adjacent
harmonic sine and cosine pulses is still negligible at the sampling instant.
Above results were obtained with small, general purpose solidstate operational
amplifiers, having an openloop gain between 80 and 90 dB, as well as polystyrene
capacitors and FET switches.
Conclusions
1.

One detector circuit performs the equivalent of two simultaneous crosscorrelations. Generation and synchronization of reference waveforms as well as
electronic multiplication is avoided.

2.

Fine tuning is easily accomplished with a single adjustment. No precision RC
components have to be selected. Amplitude adjustment does not affect the tuning
nor the damping of the circuit.

3.

Experimental results confirm the calculated low crosstalk factors at resonance
frequencies up to 10kHz.

4.

This detector circuit readily permits miniaturization; with the possible exception
of the two integrator capacitors.
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SUMMARY AND DISCUSSION OF SIGNAL-TO-NOISE RATIO
IMPROVEMENT FORMULAE FOR FM and FM/FM LINKS
ROBERT J. RECHTER
Technical Supervisor
Surveyor Analysis Department
Hughes Aircraft Company

ABSTRACT
Frequently, a need exists to compute the postdetection (recovered data) signal-to-noise
ratios (SNR) in a given frequency modulated (FM) or double frequency modulated
(FM/FM) transmission link; alternately certain postdetection SNR requirements are
established, and the link’s parameters must be correspondingly specified. In either case,
relationships that clearly relate postdetection SNR to link parameters, for either FM (or
FM/PM) or FM/FM links, are useful to the telemetr system designer. Although such
relationships have been stated1), 2), 3), 5) in varying degrees of applicability, and rigor of
derivation, it has been the author’s experience that the sources are scattered, and often
not sufficiently explicit. Further, the deviations from the mathematically ideal situation
are often overlooked. It is the purpose of this paper to present useful SNR improvement
formulae for the general FM and FM/FM case (both for IRIG1 and non-IRlG
multiplexes), and also present data that takes nonideal postdetection filtering into
account.
PRELIMINARY SYSTEM DESCRIPTION
The elements of a typical FM or FM/FM transmission link, as analyzed, are shown in
Figure 1. An FM link would begin at the modulator input, and terminate at the carrier
demodulator output (after postdetection filtering). The modulating data signals
considered will be assumed periodic; however, this is not a limitation, since the
postdetection SNR derived can be considered to apply to aperiodic signals during their
time of occurrence.
The FM/FM link in its most general sense will employ i subcarriers, of different center
frequencies and deviations, each frequency modulating the carrier. In addition, a more
specialized analysis to two basic subcarrier modulation schemes, described by IRIG
1

Inter-Range Instrumentation Group

standards, will be carried out. These are the proportional and constant bandwidth
channels; both will be discussed.
TABULATION OF SNR IMPROVEMENT FORMULAE
The glossary of terms is given at the conclusion of this paper. Sinusoidal signal
modulation is presumed throughout the discussion.
Single FM (same as second detection in FM/FM link)
(1)
For ideal link elements, *, the degradation factor, is set at – 1.0.
Otherwise, a value of * can be selected from the appropriate Figures 2 through 4 (d).
A more general form of Equation (1), which can be used below threshold (defined as the
departure from linearity on the SNR transfer characteristic) is given below4)
(2)

For SNRif >> 1, i.e., the above-threshold case, Equation 2 simplifies to Equation 1.
Subcarrier Predetection SNR Relative to Carrier SNR, in FM/FM Link
(3)

This is the general form of the equation; for subcarrier peak deviations small in
comparison with subcarrier center frequency (i.e., the IRIG channels) Equation 3 can be
simplified to
(4)

Subcarrier Postdetection SNR, Relative to Carrier Predetection SNR, in a FM/ FM Link
(Overall SNR)
The general relationship, for sinusoidal modulation, using the approximation of
Equation 4.
(5)

The Tables 1 through 4 present special cases of these relationships, for both the
proportional and constant bandwidth IRIG channels.
TABLE 1. IDEAL FM/FM LINK FORMULAE SUMMARY
(See Glossary for symbols)

TABLE 2. IDEAL LINK FORMULAE SUMMARY
(See Glossary for symbols)

TABLE 3. IDEAL LINK FORMULAE SUMMARY

TABLE 4. IDEAL LINK FORMULAE SUMMARY
Modulation index = 5 for both formulae

Degradation Caused by Nonideal Postdetection Filtering
Only in an ideal link is the factor * unity (see Equation 1). Assuming that the
degradation of SNR from theoretical rests mainly in the nonideal nature of the FM
demodulator postdetection (output) filter, allows the use of Figures 2 through 4 (d) to
give * in logarithmic notation for the Butterworth, Bessel, and Chebyshev filter
functions. These figures clearly show the very significant degradation due to low order
postdetection filtering. For instance, a first order function would result in infinite output
noise power, for the mathematically ideal case, since the asymptotic slopes of the noise
andfilter functions cancel. Even a second order Butterworth results in a * – 5.2 db. There
are other link characteristics, such as nonzonal predetection filtering which tend to
minimize * due to nonzonal output filtering to some degree. These characteristics will be
discussed later in the paper.
The factor * is computed as follows
defining
No as the spectral density (usually presumed quadratic)
Gj as the postdetection filter amplitude transfer
The total noise power transmitted by a physically realizeable output filter can be
computed as follows:

(20)

The noise power transmitted by a zonal filter, i.e., a filter which has the amplitude
transfer characteristic
(21)

is given by
(22)
and the degradation factor, *, is computed as

(23)

Assumptions and Deviations from Ideal Modeling
The degradation * from ideal SNR improvement previously defined presumed quadratic
postdetection noise spectral density. In actuality, nonzonal predetection filtering will
tend to make the postdetection noise spectrum less than quadratic, thus reducing the
magnetic of *, as can be observed in Figure 5, if Bif/2 >> f si is the baseband. In any case,
a precise evaluation of * would require proper shaping of the output noise spectrum, to
account for nonzonal predetection filtering.
The assumptions used in deriving these SNR improvement formulae are identical to
those in the literature. These include ideal (zonal) filtering (the effects of realizeable
postdetection filtering are taken into account by a degradation factor, from this idealized
value); uniform predetection noise spectral density; modulator exhibiting perfect
linearity; demodulator of perfect linearity and limiting.
In addition, the classical approach implies that superposition applies, namely that the
predetection and postdetection signal and noise spectrums are not interdependent, Given
these assumptions, the link can be excited separately by signal and by noise.

In addition, the FM/FM equations implicitly assume that some average subcarrier
spectral density, 0sci, exists, i. e. , the actual quasi-quadratic slope of the carrier
postdetection noise spectrum is ignored. (See Figure 8 for details. )
CONCLUSION
A set of equations has been given, which will allow computation of postdetection SNR
for either FM or FM/FM links, relative to predetection SNR, for the above-threshold
case. In addition, a relationship which gives good results has been restated (Equation 2),
for the below-threshold case.
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APPENDIX I
ANALYSIS OF A FREQUENCY MODULATED TRANSMISSION LINK
A sinusoidal carrier waveform can be modulated so as to carry information by varying
the argument of the sine function. This type of angle modulation can be implemented
either as phase or frequency modulation. The general carrier sinusoid can be written in
complex notation as
(1)
The real art of this expression1 can more conveniently be written
Phase modulation consists of varying the angle, N, as a function of a modulating signal,
s(t). Alternately, the radian frequency, T , may be varied in accordance with s(t). This
latter scheme represents frequency modulation.
A sinusoidal modulating signal is assumed, of the form
(2)
The instaneous carrier frequency, T (defined for Tc >>Tm i. e. , the carrier frequency >>
rnodulating frequency) is
(3)
where Tc is the nominal carrier center frequency, and )T is the peak carrier deviation.
2B)fc , the peak carrier radian frequency deviation, is given by
(4)
and K1 is a system transfer constant, radians/volt.
Note that the peak carrier deviation is independent of the modulating frequency.2 The
instantaneous frequency varies about the unmodulated carrier frequency at the
modulating signal rate, Tm with a maximum deviation of ±2B)fc radians. The reference

1

Mischa Schwartz, “Information Transmission, Modulation and Noise, McGraw-Hill, 1959.

In an actual system, the baseband response is not uniform, i.e., Am is a function of Tm ; therefore
the MI varies with frequency.
2

phase angle, N , can be set equal to zero for convenience. The frequency modulated
sinusoidal carrier can now be expressed as
(5)
The instantaneous phase of this modulated carrier waveform1, with respect to the
unmodulated carrier is given by
(6)
Integrating, we find
(7)
The quantity )fc /fm is termed the deviation ratio, or modulation index2, and is by
definition the ratio of the peak carrier deviation to the modulating frequency. Care must
be exercised in using this quantity, since the modulated carrier spectrum will be shown
to be a function of the particular modulating frequency present, whereas the maximum,
or output filter baseband frequency is of interest in the SNR derivations. The ratio,
)fc/fm, represents the peak phase shift of the modulated carrier in radians.
Substituting Eq. (7) into the real part of Eq. (5) gives
(8)

This expression can be expanded by using the trigonometric identity cos (x-y) = cos x
cos y - sin x sin y, which results in
(9)

1

2

J. J. Downing “Modulation Systems and Noise”, Prentice-Hall, D. 87

The IEEE standards define “ modulation index” to be the ratio of carrier deviation to maximum
baseband frequency, i.e., a system constant, whereas “ deviation ratio” is the ratio of peak carrier
deviation to modulating frequency, a time-variable quantity.

Further, using relations between trigonometric functions and Bessel functions
such as
(10)

(11)
where Jr(x) is a Bessel function of the first kind and order, r, with argument x.
Substituting Eqs. (10) and (11) into (9) yields

(12)

Expanding again, using the trigonometric identities cos x cos y = 1/2 [cos (x + y) + cos
(x - y)] and sin x sin y = 1/2 [cos (x - y) - cos (x + y)] results finally in

(13)

The frequency modulated carrier has a spectrum in which an infinite number of spectral
components exist. The Jo term is seen to be the carrier frequency component while the
(Tct + 2n Tm t) and (Tct - 2n Tmt) terms are the even order upper and lower sideband
terms, respectively. A similar comment can be made for the odd order terms. Each
spectral component is displaced by multiples of the modulating frequency. The spectrum
for simultaneous modulation of the carrier by more than one signal becomes quite
complex, since the FM process is inherently nonlinear, causing the generation of
crossproduct terms, as well as those spaced at multiples of the signal frequency about the
carrier.

The power in a given spectral component is proportional to the square of the
corresponding Bessel coefficient. The sum of the spectral power components is equal to
the power in the unmodulated carrier, i.e., energy has been conserved. The process of
frequency modulation has simply transferred some power from the carrier frequency
component to the sideband components.
It is clear that a frequency modulated wave requires a transmission bandwidth which is
infinitely wide, since its spectrum is of infinite extent. In a real system of finite
bandwidth, some of the spectral components must necessarily be rejected. The removal
of these sidebands represents distortion of the modulating signal, s(t), and loss of
predetection signal power.
However, for r >)fc /fm, Jr()fc /fm ) decreases in amplitude very rapidly. This
characteristic allows small, if non-zero, distortions of the signal to be realized. in a bandlimited situation. In the following analysis, it will be assumed that essentially all of the
unmodulated carrier power is retained in the transmission bandwidth, and fully recovered
in the predetection bandwidth.1
The mean received carrier power (which has been indicated to be independent of
modulation) present at the input (or output by the previous assumption) of the
demodulator predetection filter, is given by

from which
(14)
The output signal voltage of the carrier demodulator is
(15)
where K2 is a system transfer constant, volts/radian.
The mean postdetection signal power is defined by
(16)

1 When considering a realizeable system, the signal power loss due to rejection of some
modulated carrier sidebands should be taken into account, directly reducing the postdetection
SNR by this loss.

T, the modulating signal period. Substituting Eq. (15), Eq. (16) becomes

Note that the postdetection spectrum is double-sided, of both the signal and
noise. If s(t) is a sinusoidal modulating signal, then Eq. (17) becomes

(18)

This demodulated signal is uncorrupted by noise, which will be considered separately.
A simplifying assumption is made regarding the nature of the noise present in the carrier
demodulator predetection bandwidth, Bif. It is assumed that the continuous noise variable
can be represented by discrete spectral components spaced df cycles apart, of the same
amplitude as the continuous uniform spectrum. This approximation can be observed in
Figure 2.
The noise variable in the predetection bandwidth is given by

(19)
An FM phasor diagram can be drawn to represent the situation of carrier plus noise. It
can be seen from this diagram that the noise signal produces both amplitude and
frequency modulation of the carrier.
The limiter essentially removes the in-phase noise component, leaving only the
quadrature component, An sinù t. This graphical result can also be dernonstrated
analytically by combining the carrier and noise terms algebraically as
(20)

Figure 2.

Figure 3. Phasor diagram of carrier plus noise for some time, t.
Using the trigonometric identity cos (x + y) = cos x cos y - sin x sin y, Eq. (20) can be
rewritten

(21)
whose amplitude and phase components are

For the case of small mean noise power compared with mean carrier powe (Ac >> An),
these components of Nfm(t) become
(22)

(23)

The condition Ac >> An is usually realized in practice. An FM system is designed so that
a minimum carrier-to-noise ratio (S/N)if is obtained (termed threshold), which satisfies
this condition.
The noise modulated carrier is given at demodulator limiter output by
(24)
The noise signal FM wave is identical in form to the information signal frequency
modulated wave, where
(25)

The SNR improvement mechanism is based on this last relationship. The noise
components in the carrier predetection bandwidth produce small phase angle modulation
of the carrier, whereas the data signal produces large variations of this angle. This makes
the two carrier modulations separable.
The frequency deviation of the noise-modulated carrier, in this region of operation, is
given by the time rate of change of the phase angle. Using Eq. (23), the postdetection
(output) noise voltage becomes
(26)

This expression indicates that the contribution of the predetection noise components to
the postdetection noise voltage will be proportional to their frequency spacing away
from the carrier, i.e., components at predetection filter bandedge will produce the
greatest output voltage.

Since a sinusoidal form was assumed for each of the discrete predetection noise
components, the incremental mean postdetection noise power for each component is
given by
(27)

Figure 4. Noise voltage and power spectrum at output of carrier demodulator.
Note that the carrier postdetection noise spectrum is viewed by the predetection filters of
each of subcarrier discriminators. Returning to Figure 4, we observe the limits of the ith
subcarrier predetection bandwidth on the carrier output noise spectrum, namely
fsci =

the center frequency of the ith subcarrier, Hz

f1bei =

the lower ith subcarrier bandedge frequency, Hz

fubei =

the upper ith subcarrier bandedge frequency, Hz

Bsci =

the equivalent noise bandwidth, Hz; equal to (fubei - f1bei) for the zonal case
f – 1.05 [fubei - f1bei] for realizable filters

Note that physically realizable predetection filters exhibit attenuation at bandedges,
tending to reduct this effect.
The noise power present in each of the subcarrier predetection bandwidths will next be
computed.

If the assumption is made that superposition holds (because An/Ac << 1), and that no
intermodulation of noise components occurs, then the total noise power present in the ith
subcarrier predetection bandwidth is given by

(28)
where the limits of the integration correspond to the bandedges of the ith subcarrier
predetection bandwidth, Bsci.
Carrying through this integration results in
(29)
Recognizing that Sc = Ac2/2, Eq. (29) can be rewritten as
(30)

In order to relate this expression to the carrier predetection SNR, (S/N)if, Eq. (30) can be
multiplied by Bif/Bif, the carrier noise bandwidth, to give
(31)
. . . since 0cBif = Nif, the total noise power in the carrier predetection bandwidth.
The frequency modulated subcarrier can be considered to be a simple sinusoidal
modulating signal, of frequency, fsci, with respect to the carrier. The mean signal power
present in the subcarrier predetection bandwidth is then given by Eq. (17) where
(32)

where Afci is the peak carrier deviation due to the ith subcarrier.
Combining Eq. (32) with Eq. (31), we find the SNR in the ith subcarrier predetection
bandwidth, Bsci, to be
(33)
Equation (33) can be put into somewhat more tractable form by substituting for the
subcarrier bandedge frequencies, f1bei and fubei as follows:

(34)
where )fsci is the peak subcarrier deviation, Hz.
Expanding this identity gives
(35)
Since the peak subcarrier deviation is usually a small fraction1 of the subcarrier center frequency, Eq. (35) can be simplified using
(36)
which can be substituted into Eq. (33) to give
(37)

This computation can be performed for each of the i subcarrier channels, by substitution
of the proper values of peak carrier deviation due to a particular subcarrier, and its
corresponding upper and lower predetection bandedge fre quencies. Figure 5, below,
shows a typical carrier postdetection situation for i subcarriers.

1 True for IRIG proportional bandwidth and constant bandwidth channels.

Figure 5. Carrier postdetection spectrum with i modulating subcarriers
Let )fsci = 0.075 fsc, the condition for the IRIG proportional bandwidth number channels.
Substituting in Eq. (37)

(37A)

COMPUTATION OF SECOND (SUBCARRIER)
DETECTION SNR IMPROVEMENT
Again, the demodulator output noise spectral density is presumed quadratic with
frequency, modified by a zonal lowpass filter of bandwidth, fsi Hz.
The output noise power in the ith subcarrier channel is obtained by integrating1

(38)
where K3 is the subcarrier demodulator transfer constant, volts/radian (assumed identical
for all channels), 0sci, the ith subcarrier predetection spectral density2,watts/Hz, Asci, the
peak ith subcarrier amplitude.
Recognizing that the mean predetection subcarrier (unmodulated) power, Ssci is related to
Asci as
(39)

and substituting Eq. (39) into Eq. (38), an integration of Eq. (38) will result in

(40)
In order to express Noi in terms of a subcarrier predetection SNR, we utilize the
relationship
(41)
where Bsci is the subcarrier predetection equivalent noise bandwidth, Hz.
Multiplying Eq. (40) through by Bsci /Bsci, we obtain
(42)
1 The double-sided spectrum accounts for the 2 factor.
2 Note this is assumed uniform over the range of subcarrier predetection bandwidth, even though
the actual spectrum is quadratic. A detailed analysis of this assumption will follow.

Next, the mean subcarrier output signal power, Soi, will be calculated, for the simple case
of a modulating sinusoid.
(43)

from Eq. (38)
Thus,
(44)

Finally
(45)
Taking the ratio of Eq. (45) to Eq. (42), we can write the output SNR of the ith subcarrier
channel as
(46)

we can compute this SNR for square wave subcarrier modulation, by modifying Eq. (43),
as follows

(47)

This mean signal power is twice that of the sinusoidal case (given that the peak output
amplitudes of the two signals are identical), i.e.,

Similarly, the output SNR for any f(t) is simply that for a sinusoid, times the ratio of
mean power in the modulating signal, to that of a sinusoid of equal peak-to-peak
amplitude. Thus, the sinusoidal signal SNR improvement formula, Eq. (46) is a basic
relationship.
COMPOSITE CARRIER AND SUBCARRIER
SNR IMPROVEMENT FORMULAE
The formulae for computing SNR improvement in the first (carrier) demodulation
process, and in the second (subcarrier) demodulation process can be combined so as to
give an overall SNR ratio, from carrier SNR to subcarrier output SNR.
Combining Eq. (37) and Eq. (46), we find

(48)
For a sinusoidal signal modulating the subcarriers.
This general FM/ FM composite SNR relationship can be simplified for the special cases
of the IRIG proportional bandwidth and constant bandwidth channels.
1) IRIG number channels (1-21), proportional bandwidth case
Using )fsci = 0.075 fsci and Bsci . (1.05) 2)fsci
and substituting in Eq. (48)

(49)

Expressed in logarithmic notation, with all bandwidths referenced to one Hz,
(50)
2) IRIG letter channels (A-H), proportional bandwidth case
Here )fsci = 0.15ffsci,

Again Bsci .(1.05) 2)fsci
We obtain

(51)

in logarithmic notation
(52)
3) IRIG constant bandwidth (channels 1C-22C) case
Here )fsci = 2 x 103 Hz,
again Bsci . (1.05) 2)fsci
We obtain
(53)

4) IRIG constant bandwidth (channels 2CW - 22CW) case
Here )fsci = 4 x 103 Hz,
again Bsci . (1.05) 2)fsci
We obtain

(54)
PRE-EMPHASIS
Figure 5 also indicates a commonly encountered link characteristic; that of pre-emphasis.
This pre-emphasis technique takes into account the quadratic output noise characteristic
of the ideal carrier demodulator. In order to assure nearly simultaneous thresholding of
each subcarrier channel, we require that

(55)
Each subcarrier’s amplitude (subcarrier/carrier modulation index) is adjusted so as to
maintain the subcarrier predetection SNR in Eq. (55) constant. This indicates that
subcarriers of increasing frequency require increasing amplitude levels.
For subcarrier channels with differing bandwidths, and IRIG1 proportional bandwidth
format, the appropriate pre-emphasis characteristic can easily be computed as follows.

(56)
i.e., a constant for all subcarrier channels
Therefore
(57)

where

For the special case of the IRIG proportional number channels (1-21)
(58)
Taking the square root of both sides, we obtain
(59)
This is the classical “3/2” pre-emphasis characteristic.
It should be noted that this result assumes an ideal quadratic carrier demodulator output
noise spectral density, and zonal subcarrier filters. Physically realized spectrums will
usually be less than quadratic with frequency, due to non-ideal carrier predetection filter
shaping2. Therefore, Eq. (58) represents a worst case analysis, i.e., higher frequency
subcarriers may actually require less peak carrier deviation than computed by Eq. (58).
1 Inter-Range Instrumentation Group.
2 See Figure 6

Similarly, for the IRIG proportional bandwidth letter channels (A - E).

(60)
Carrying out the operations of Eq. (57), we observe that the only effect is to modify M,
the system constant
(61)
However, the 3/2 power relationship describing relative peak carrier deviations,
described in Eq. (58) is unchanged.
The IRIG constant bandwidth channels (1C - 22C) are analyzed similarly.
(62)
thus
(63)

from which we develop, following Eq. (57) and Eq. (58)
(64)
where K is defined by Eq. (56), and m = 0.125 x 10-3Bif
For the remaining constant bandwidth channels where )fsci = 4 x 103 Hz, (2 CW 22 CW), Eq. (63) continues to hold, with an adjustment in the constant, M as follows
(65)

ANTICIPATED PROBLEMS OF RE-ENTRY VEHICLE
TELEMETRY AT UHF
FRED H. NUMRICH
Re-entry Systems Department
General Electric Company
Missile and Space Division,
Philadelphia, Pennsylvania

Summary Present information on missile range planning indicates that serious UHF
telemetry coverage problems are likely to occur during reentry of ballistic vehicles.
Flight test experience at VHF has demonstrated that receiving stations experience
difficulty in tracking re-entry vehicles under conditions of rapid changes of signal
strength caused by combinations of vehicle motion, vehicle antenna pattern, and plasma
attenuation. Similar but greater variations at UHF coupled with narrow beamwidths and
reduced sensitivity of re-entry stations portend greater problems at UHF. Conical scan
systems may prove inadequate.
Comparisons of similar telemetry systems at VHF and S-band are presented,
demonstrating that received signal to noise ratios at re-entry stations will be 3 to 9 db
below levels Presently obtained at VHF for reentry stations. The narrow antenna
beamwidths (1E to 3.5E) will also cause problems in acquisition so that some form of
acquisition aid will be required at each station. Omnidirectional antennas currently used
in aircraft at VHF will be useless at UHF. Ships and aircraft will require stabilized or
compensated antennas. Acquisition of hypersonic targets will be a particularly severe
problem for aircraft receiving stations.
In addition to defining the re-entry problem, system limitations, and expected effects,
this paper also makes recommendations to range planners and users to minimize or
correct the anticipated problems.
Definition of the Re-entry Telemetry Problem Problems involved in re-entry vehicle
telemetry are quite different from those of orbiting or booster vehicles. Usually,
telemetry from the vehicle is required over the entire trajectory from launch to impact.
Since the vehicle orientation with respect to the receiving station changes during flight,
the vehicle antenna pattern must radiate some power in all directions so that its directive
gain must be low and not far from isotropic level. The antenna is subject to size and
material limitations imposed by requirements of survival during re-entry heating and

minimum effects on vehicle shape, weight, balance, structural rigidity, and radar cross
section. Restrictions of size, weight, and electrical power also limit the transmitter power
levels. As a result of the low transmitter power and antenna restrictions, the energy
radiated in the direction of the receiver is relatively low especially for small vehicles.
This situation is further aggravated at UHF by the many lobes, deep nulls, and changing
polarization of typical antenna patterns. The re-entry velocity is high, usually greater
than 20,000 ft. per second, requiring high angular tracking rates. During re-entry, plasma
attenuation severely attenuates the telemetry signal in addition to the usual space
attenuation. As the vehicle approaches impact, surface reflections cause multipath
conditions which increase the difficulty of telemetry reception. As a final requirement,
reception of telemetered data is a one-shot affair. Unlike satellite telemetry, there is no
succeeding pass to acquire missed data.
UHF System Considerations and Problem Areas In order to determine possible
problem areas at UHF, let us examine a typical S-band system and compare it with a
similar VHF telemetry system using parameters of existing or scheduled hardware.
Vehicle antenna requirements and limitations are similar for both bands so an isotropic
antenna pattern will be assumed for each case although the S-band antenna pattern will
probably have a greater number of lobes and nulls of various depths. Transmitters are
currently available up to 10 watts, completely solid-state, and of similar size, weight, and
efficiencies in either band. Consequently, for this analysis, the radiated energy is the
same for both bands.
The radiated energy is subject to attenuation by space attenuation, plasma loss, and
atmospheric absorption. The latter is small in comparison to the other two and can be
neglected. Plasma loss is a function of many variables other than frequency, including
vehicle shape, velocity, materials, air density, temperature, and angle of attack. This
complex subject will not be evaluated in this analysis but calculations by others indicate
a relatively small difference of 3db or so between VHF and S-band for many cases.
Consequently, this analysis will assume equal plasma attenuation for the purpose of
comparing reception of the two telemetry bands. Since the UHF telemetry band
frequencies are approximately a factor of 10 times the VHF, the space attenuation will be
close to 20db greater as calculated from the usual formula:
L = 37 + 20 log f + 20 log D
where L = Space Attenuation in db
f = frequency in MHz
D = slant range distance in miles
For receiving antennas of equal effective aperture area, the increase in space attenuation
at higher frequencies is compensated by an equal increase in antenna gain. However, this

is not the case for most of the receiving antennas planned or installed for the impact
areas of the missile test ranges as shown in Table I.
Table I. ANTENNAS AT IMPACT AREAS

The sensitivity of a particular system is a function of the antenna gain and the pre-amp
noise figure since these two parameters determine the received signal to noise ratio at the
receiver IF section. To compare the expected S-band sensitivity with the present VHF
sensitivity, the following relationship is used:
K = (GS -NS - 20) - (Gv - Nv)-3
where K = difference in sensitivity
G = antenna gain
N = pre-amp noise figure

(db)
(db)
(db)

Subscripts v and s refer to VHF and S-Band respectively. The number 20 in the first
bracket represents the additional space attenuation loss at S-band. Solving the equation
for each station using data from Table I yields the following:
Station
) sensitivity (K)

Kwajalein
-9

Ascension
-9

WSMR
-3

Bermuda
-9

The results show clearly that the receiving station sensitivity is considerably less at Sband than at VHF.
Due to the restraints of vehicle equipment and ground equipment, flight dynamics, and
propagation effects, data acquisition during re-entry will be considerably more difficult
at S-band than VHF. The first problem will be acquisition of the telemetry signal,
primarily due to the narrow beamwidths of the receiving antennas. These beamwidths are
approximately one-tenth of the VHF figures and will be on the order of 1E at S-band for
high gain antennas and 5E for low gain antennas. As a result, an auto-tracking low gain
antenna capable of steering the larger antenna or use of some other form of acquisition
aid will be required. Acquisition prior to entry into the atmosphere is desirable to avoid
the additional problems occurring within the atmosphere but the vehicle antenna pattern
and receiving station gain must provide adequate signal strength at the pre-amp input.
If the re-entry vehicle is spinning and/or nutating, as is frequently the case, the vehicle
antenna pattern will be turning with respect to the line of sight with possible dropouts
due to the many lobes and nulls of S-band patterns. As the vehicle enters the atmosphere,
its body motion increases, further aggravating the problem. Finally, plasma attenuation
occurs resulting in a greatly reduced signal strength at the receiving antenna. At this
time, the lower sensitivity of the receiving stations at UHF could be sufficient to cause
data dropouts at signal levels which would have produced good data at VHF. If the
signal level drops below the threshold required for auto-tracking, the receiving antenna
must continue to track by rate memory or it must re-acquire when the signal strength
rises as the plasma attenuation decreases. As indicated previously, reacquisition will be
more difficult than the initial acquisition due to the higher body motion and remaining
plasma attenuation. The high body motion in conjunction with a multi-lobed vehicle
antenna pattern and changing plasma attenuation will cause rapid fluctuation in the
amplitude and polarization of the received signal which the tracking circuits may not be
capable of following. Conical scan systems in particular may be confused by changing
signal strengths causing false error signals. As an example of rapid changing signal
strength, refer to Figure 2 which is an actual signal strength record of a VHF flight. At
approximately 120 kilofeet altitude, the signal strength drops 20 db in 0.45 second due to
the sudden increase of plasma attenuation at the time of transition from laminar to
turbulent flaw surrounding the vehicle. Then between 50 and 25 kilofeet, body motion
and vehicle antenna pattern cause rapid fluctuations of 15 db or so at a 7Hz rate. Even
higher rates have been experienced on other flights and S-band operation would
probably produce much greater excursions in amplitude due to pattern lobing. Finally, as
the vehicle nears the earth, multipath propagation and polarization shifts will also alter
the received signals.
The problems described will be common to all types of receiving stations but ships and
aircraft will have others in addition. Shipboard antennas will have to be stabilized or

compensated for the ship motion in order to keep the re-entry vehicle within the narrow
beamwidth. Also, reflections from other parts of the ship may distort the antenna pattern
or sidelobe reception may introduce false error signals. The aircraft problems will be
even more severe. As shown in Figure 1, an omnidirectional antenna will be completely
ineffective at S-band. The gain,of the antennas employed will be limited by physical size
and by the necessity for a steerable antenna. Aircraft motion is much worse than ship
motion so that some form of stabilization will be mandatory. Initial acquisition will be
more difficult than for other stations since the aircraft location is constantly changing.
The antenna pattern will probably be distorted by the aircraft structure and may change
as the antenna is steered. Due to the relatively law gain of the aircraft antenna, telemetry
loss is virtually certain during plasma attenuation. Since aircraft are frequently the only
means of obtaining telemetry data immediately prior to impact, rapid re-acquisition will
be required in spite of its many problems.
For mobile stations, ships and aircraft, very limited data is available to date. Some ships
including the ARIS and APOLLO ships are presently equipped for S-band. The 2 ARIS
and 3 APOLLO ships each have 30 ft. dish antennas. However, the ARIS antennas have
a gain of 35db with 5.5db noise figure for the pre-amp while the APOLLO ships have
antenna gains of 35db and parametric pre-amps with a noise figure of 2db.
Characteristics of the other range ships are unknown since the conversions to S-band are
being made individually. Information on expected S-band capability for range aircraft is
almost non-existent. Apollo aircraft will have a nose-mounted 7 ft. steerable dish with
29db gain and 765EK system noise temperature. These 8 aircraft will be available for
general range use on a non-interference basis. No data are presently available on aircraft
planning for the WTR or ETR ranges.
Due to the problems described, manual tracking at any type of station will be completely
impractical except in a few special cases where trajectories are consistent and well
known before flight. Detailed examinations of telemetry coverage at VHF during the past
three years have shown numerous instances of data loss due to stations losing track when
rapid signal strength fluctuations occurred or failure to re-acquire after blackout. Unless
adequate precautions are taken, this situation will be more prevalent at S-band.
Recommendations The following recommendations are suggested as possible
solutions to overcome the anticipated problems of re-entry telemetry at S-Band:
1.

Vehicle antenna design. Design efforts should be increased to develop antennas
of desired angular coverage with minimal lobing. Scaling of past VHF antennas
will not be adequate. The antennas may be required to operate at higher power
levels than required at VHF.

2.

Transmitters. Since the sensitivity of receiving stations is generally less at S-band
than VHF, transmitter power should be increased to provide adequate signal
margin. Since this increases battery power requirements and weight, dual power
transmitters are suggested to minimize the power required. The transmitter would
be switched from low power to high power (perhaps 10db greater) shortly before
re-entry.

3.

Station sensitivity. The relatively poor sensitivity of some stations should be
increased by installation of higher gain antennas and/or low noise pre-amplifiers,
including the possible use of cooled amplifiers to reduce thermal noise.

4.

Receivers. Fast AGC systems capable of wide dynamic ranges should be used in
both data and tracking receivers to follow the expected signal fluctuations.

5.

Diversity reception. Polarization diversity receiving systems are desirable to
reduce multipath and polarization shift problems. At present, planning indicates
either left hand or right hand circular polarization of receiving antennas for most
stations but only a few can receive both simultaneously. Simultaneous LH and RH
to two receivers is better but still undesirable since it will require expensive
patching of data. If polarization diversity reception were assured, vehicle antennas
might be designed to radiate both polarizations simultaneously with lobes of one
occurring at nulls of the other to provide complete coverage.

6.

Auto tracking systems. Monopulse tracking is recommended rather than conical
scan which might become confused by signal strength fluctuations at multiples or
sub-multiples of the conical scan rates.

7.

Antenna Stabilization. For mobile stations such as ships and aircraft, some form
of stabilization or compensation will be needed. A stable inertial platform would
probably be the best reference although costly. Aircraft receiving antennas should
be both auto tracking and stabilized to facilitate acquisition of the telemetry signal.

8.

Acquisition aids. Due to the narrow beamwidth of S-band antennas, some form of
acquisition aid will be mandatory, particularly for stations in re-entry areas. The
acquisition problem will be especially difficult for aircraft. Among the possible
techniques of acquisition aids are radar beacons aboard the re-entry vehicle,
optical beacons or flares, antenna pointing by computer generated data,
programmed auto-scan patterns, and auxiliary low gain, wide beamwidth antenna
systems. The C-band radar beacon is commonly employed at present in sites where
the C-band radar is located near the telemetry station. This has proved to be
particularly effective on ships such as ARIS and the Range Tracker. The following
quotation is displayed at ARIS headquarters, Patrick Air Force Base, Florida:

“Blessed are those whose re-entry vehicles bear beacons,
For they shall be delivered much ARIS data”.
However, use of the C-band beacon is limited by the small number number of
stations having C-band radars close to the telemetry antennas and by the fact that
some vehicles cannot have their heat shields disturbed by the necessary beacon
antennas. At present, no aircraft are equipped with this type of radar installation.
Optical adds, such as laser trackers or autotracking radiometers are not sufficiently
developed at this time. Antenna pointing by commands from a computer or relayed
coordinates is a promising method successfully employed at present at WSMR.
However, it requires a real time computer and good communication links between
stations. This would be a problem at remote stations such as Ascension or
Kwajalein but it might be feasible by use of relay satellites for the necessary
communication links. This method might also be usable for aircraft providing that
the aircraft antenna is stabilized and the aircraft position is known to sufficient
accuracy.
The auto scan pattern about a programmed axis seems to be the second best choice
for aircraft if the necessary communication and position requirements cannot be
met. Where a law gain antenna is used as an acquisition aid to the high gain
antenna, it too will require some form of preliminary direction and self tracking
capability.
9.

Data Exchange. Considerable improvement is needed in the exchange of
information between range planners, operators, and users, particularly with regard
to existing equipment and future planning. To remedy this situation, a Range
Conference is recommended at semiannual intervals where representatives of
planners and operators of each range, system management contractors, and range
users shall meet to present recommendations and to participate in informal
discussions.

10.

Test flights. Because of all the anticipated problems outlined in this paper, the
probability of success for initial S-band flights is not very good. Therefore, we
should not develop our learning curve at the expense of costly mission failures but
instead should use piggyback experiments or low cost flights to determine the
UHF capability of the receiving stations as soon as possible.
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DESCRIPTION OF COMPUTER PROGRAM TO ANALYZE GAIN
DISTRIBUTION OF AN ANTENNA PATTERN1
BRUCE L. McQUAID
Hughes Aircraft Company
El Segundo, California

Summary The gain of a radiating antenna is generally a function of the direction in
which the antenna is pointing relative to the direction of the received or transmitted
signal. The gain distribution over an imaginary sphere surrounding the antenna is called
the antenna gain pattern and can be measured experimentally. Under certain
circumstances the tolerances associated with the pointing vector make it impossible to
determine the antenna gain precisely but rather circumscribe an area on the spherical
surface which include a number of different gain values. A computer program called
INTGRT has been developed that will determine from measured antenna pattern data the
gain distribution within the uncertainty region and will provide a measure of the
probability of the gain being above a certain gain value. The boundary of the uncertainty
region is described in terms of the. coordinate system used in measuring the antenna
patterns. Each gain value contained inside this boundary is compared to some reference
gain level and a running total is made of the number of values found to be equal to or
greater than the reference value and the total number of values inside the region. After
weighting each total by an equal area function, the ratio of the number of values above a
reference level to the total number of values in the region gives an estimate of the
probability that the gain of the antenna will be equal to or above the reference gain. If the
region is analyzed in this way for a number of reference levels, the distribution of gain
values within the region is obtained. This information is extremely valuable in
determining space communication system performance during periods in which the
orientation of the spacecraft’s antenna with respect to the earth cannot be determined
precisely but is known to be within certain limits.
Introduction In general, when a radiating antenna is placed at the center of a threedimensional coordinate system, it is found that the amplitude of the radiation varies as a
function of position on the surface of an imaginary sphere surrounding the antenna. The
radiation amplitude relative to some reference is called antenna gain. The gain of an
antenna directly influences the power in a transmitted or received signal incident at the
antenna and is, therefore, of prime interest in the analysis and design of communication
1
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system performance. To determine the effect of the antenna on signal strength it is
necessary to know the direction in which the antenna is pointing. The antenna gain is
defined as the gain at the point that the vector from the transmitter to the receiver
(pointing vector) pierces the surface of the sphere surrounding the antenna. In many
cases, the precise direction of the pointing vector cannot be determined due to
uncertainties and tolerances associated with the orientation of the antenna. In such cases,
instead of piercing the surface of the sphere at a single point, the pointing vector
intersects the surface at a number of points determined by all possible combinations of
the uncertainties and tolerances of the vector. The locus of these points outlines a region
on the surface of the sphere. Since it is only known that the pointing vector is in this
region and the antenna gain is, in general, not of equal value everywhere inside the
boundary, it is not possible to define the gain of the antenna precisely. The following
discussion will be devoted to describing a computer program which will provide
statistical information about the distribution of the antenna gain within the uncertainty
region. With this information a measure of the confidence of the antenna gain being
above or below a particular value can be obtained.
Analysis The computer program which has been developed is called INTGRT. This
name is derived from the word “integrate” which best describes the mathematical
operation performed by the program.
One common method of measuring antenna gain is to center the antenna in a threedimensional coordinate system and record the gain level at every point in the 4B
steradian field of view of the antenna. The distance from the origin generally remains
constant as the measurements are made, such that the locus of all points measured will
constitute the surface of a sphere surrounding the antenna. Antenna gain is generally a
function of position and will vary in amplitude and phase from point to point on the
surface of the sphere. From these measurements the antenna gain variation can be
represented graphically by plotting the gain values as a function of position and
connecting those of equal amplitude with lines. This figure is commonly called an
antenna pattern as shown in Figure 1.
When a signal is being transmitted or received by an antenna, the power of the signal is
modified by the antenna gain at the point at which the signal intersects the surface of the
sphere. If we define the pointing vector as a vector in the antenna’s coordinate system
which directly coincides with the direction of transmission or reception of the signal as
shown in Figure 2, the coordinates of the pointing vector and the antenna pattern
uniquely determine the effect of the antenna on the signal. In many cases the direction of
the pointing vector has associated with it certain tolerances on N and 2 due to
uncertainties in the orientation of the antenna. The combination of these tolerances result
in movement of the pointing vector so as to outline an uncertainty region in the 4B

steradian field of view of the antenna as shown in Figure 3. The uncertainty region R can
be considered to be a portion of the surface of the sphere from which the antenna gain
pattern was generated. If the tolerances associated with the pointing vector are worst
case values, the pointing vector will intersect the surface somewhere within the boundary
of the region, and the antenna gain will be one of the values that is contained in R.
Although it is not possible to determine the precise value of the antenna gain, due to the
tolerances on the pointing vector, the antenna pattern measurements provide information
as to the distribution of the gain within the region. By arbitrarily choosing various
reference gain levels and assuming that the pointing vector can pass through all points in
the region with equal likelihood, the percentage of the region which has gains above
each of the reference levels can be determined. This percentage will be a measure of the
probability that the antenna will have a gain above the reference level chosen since
(1)
where

The calculation of this probability measure is the basic function performed by the
program INTGRT.
Program Operation As you recall the antenna gain pattern consists of discrete gain
values which are measured at points in the field of view of the antenna and are plotted as
a function of position in the antenna’s coordinate system. The uncertainty region R
shown in Figure 3 can also be represented as a function of position and mapped onto the
antenna pattern as shown in Figure 4. Inside the boundary of this region (which, in this
case, represents the maximum variation of the pointing vector due to its tolerances) there
are a number of points P(N, 2), each of which has associated with it a measured antenna
gain value. The spacing of these points depends upon the resolution of the measuring
technique used to determine the antenna pattern.
The program INTGRT requires as an input from the user a description of the boundary of
the uncertainty region in the antenna pattern coordinate system. To minimize the amount
of numbers necessary to describe the boundary, the region was considered to be
composed of a number of strips similar to the one in Figure 4. The points P1 and P2 are
the points at which the strip intersects the boundary of the region and have coordinates

(21, N2) and (21, N2), respectively. Thus the entire region can be represented by a number
of these strips, as 2 is varied from 2min to 2max.
Once the region is described as shown in Figure 4, INTGRT then calculates the
percentage of the region above various reference gain levels supplied by the user. This
computation involves scanning a strip from N1 to N2 and comparing the antenna gain at
each point with each of the input reference gain values. If the gain being checked is
above a reference value, the index for the reference gain is incremented by one, and if it
is not, the index remains the same. This procedure continues until all strips have been
scanned. A total of the number of points in the region is also recorded. The ratio of the
number of points which have gains above a reference value to the total number of points
in the region which has again greater than the reference value. From equation (1), this
percentage can be considered a measure of the probability that the antenna will provide a
gain greater than the reference value for the case under investigation. If the antenna
pattern is derived from measurements made in spherical coordinates, as is generally
done, each point in a strip must be weighted by the sine of the angle 2 in Figure 1 to
normalize the areas over the entire surface.
The previous discussion describes the operation of the program INTGRT. The input data
required by the program consists of the following:
1)

Antenna gain pattern measurements as a function of position in antenna
coordinates

2)

A description of the uncertainty region in antenna coordinates

3)

A list of the reference gain values to be used for comparison

The user has a number of options he may exercise in operating the program. These
options include analyzing any number of uncertainty regions, changing the reference
gains for a particular region, and plotting a curve of the gain distribution within a region.
An example of the plotting capability is shown in Figure 6.
Conclusions The significance of this computer program lies in its ability to provide an
estimate of the probability of achieving a certain gain from an antenna which exhibits
uncertainties in its orientation. This problem is often encountered in spacecraft
controlled changes in orientation with respect to earth or direction of flight. The
dispersions associated with these maneuvers are reflected into the antenna pointing
vector, thus causing uncertainties in the performance of the vital communication link to
the spacecraft. If the uncertainty regions produced by a number of possible maneuvers
are analyzed with INTGRT, the maneuver which provides the highest probability of

satisfying communication performance criteria can be readily determined. The main
disadvantages of this method of analyzing antennas is that the antenna gain pattern must
be measured experimentally, and the accuracy of the analysis is only as good as the
accuracy and resolution of the measurements. However, this limitation is inherent in
nearly all practical problems, and does not appear to be too great a handicap.
The author wishes to acknowledge the valuable assistance given by Frank Rickman,
Head of the Telecommunications Performance Analysis Group, Space Systems Division,
Hughes Aircraft Company.

Fig. 1 - Example of Antenna Gain Pattern

Fig. 2 - Pointing Vector Representation in Antenna Coordinate System

Fig. 5 - Uncertainty Region’s Decomposition for Input to INTGRT Program

Fig. 6 - Gain Distribution of a Sample Uncertainty Region

UHF TELEMETRY SYSTEM DEVELOPMENT AT WHITE
SANDS MISSILE RANGE
BALL CHIN
Senior Electronic Engineer
White Sands Missile Range, New Mexico

Summary This paper describes UHF telemetry system development at White Sands
Missile Range (WSMR), New Mexico, to achieve the telemetry operation change from
VHF to UBF. Component and subsystem development is discussed. Results of the
S-band equipment testing using the L-20 light aircraft, the F-100F jet fighter, POGO
missile, and ATHENA re-entry vehicles are presented. Comparative analysis of
missileborne telemetry data transmitted through both the standard VHF and the
developmental S-band links are made.
Introduction The first directive calling for a shift of telemetry operations from VHF to
UHF was issued by the Joint Chiefs of Staff Electronic Communications Board (JCEC)
in 1958. This directive also established the 44 one-half MHz channels for the interim
period to 1 January 1970. The directive also indicated that telemetry services in the 216
to 225 NHz band would be permitted on a noninterference basis after 1 January 1970. In
February 1965, the Military Communications-Electronics Board (MCEB) of the Joint
Chiefs of Staff directed (Directive M 92-65) the Military Services to shift their
telemetering operations from the existing VHF (225 to 260 MHz) band to the UHF (1435
to 1535 MHz and 2200 to 2300 MHz) band by 1 January 1970. Fortunately, most Missile
Ranges had been anticipating such a move.
In 1960, a plan for the orderly implementation of microwave telemetry by the January
1970 deadline was presented at the National Telemetering Conference by R. C. Barto1. In
January 1961, the Navy Bureau of Weapons sponsored a survey--“Design Objectives for
Telemetry RF Transmission Links for the Period 1960 - 1970.”2 Additional plans for
microwave telemetry implementation were formulated for several Army and Navy test
ranges3 by G. F. Bigelow, T. B. Jackson, and R. T. Merriam. The WSNR UHF telemetry
system development is based on these plans.
Technological Problems in the VHF to UHF Telemetry Conversion The VHF to
UHF telemetry conversion presents theoretical as well as equipment development
problems. Since the equivalent transmission loss between isotropic transmitting and
receiving sources at 2200 MHz is 20 db greater than that at 220 MHz (the loss for 1450

MHz is 16.4 db), higher-gain antennas are used to compensate for the loss. Because the
higher-gain microwave antenna is highly directional, reasonably accurate pointing is
required to receive the signal. An automatic servo-driven antenna is the only practical
solution to this tracking requirement. This adds a complex automatic tracking subsystem
to the telemetry system. In addition, the servo response of automatic tracking systems
places a limitation on the antenna tracking rate. Narrow beamwidth tracking system
presents considerable difficulty in initially acquiring the target and a formidable task in
target reacquisition should the system lose track during an operation.
The missileborne telemetry package may consist of standard telemetry multiplexing and
encoding components with the exception of the S-band transmitter and its antennas. UHF
transmitters available thus far are larger in size and weight than the standard VHF
transmitters. UHF transmitter DC-to-RF efficiency is less than that of a VHF transmitter.
Also, the UHF transmitter stability is a problem when used with narrow IF bandwidth
receivers. The size of the S-band missileborne antennas can be reduced due to the shorter
S-band wavelength, but the ratio of the S-band antenna wavelength to the missile
diameter is also reduced. This reduction often presents considerable difficulties for the
antenna designer to achieve smooth and omnidirectional antenna patterns.
Radio frequency propagation at the UHF region normally does not encounter special
problems in atmospheric absorption and interference from natural noise sources.
However, multipath propagation during missile lift-off and tracking of a target at low
aspect angle may cause problems for the automatic tracking system. The fact that doppler
frequency shift in S-band is 10 times as large as that in VHF may pose additional data
demodulation problems in UHF telemetry systems.
The noise figure of an S-band telemetry receiver is about 5 db greater than the noise
figure of the standard VHF receivers. Low noise preamplifiers such as parametric, tunnel
diode, TWT, or transistorized amplifiers are used ahead of the telemetry receivers to
reduce the overall system noise figure. However, this addition of the preamplifier
increases system complexity and decreases its reliability. Most of these preamplifiers
also have limited input dynamic ranges. These are the fundamental considerations for the
development of the UHF telemetry system.
Development of UHF Telemetry System at WSMR The WSMR S-band telemetry
subsystem development program was initiated in 1958. The development program was
designed to provide sufficient hardware to investigate the problem areas in the
missileborne transmitters, airborne antennas ‘ and automatic tracking antennas. Some of
these subsystems were procured from industry and some were developed in-house. Offthe-shelf components from industry were purchased for evaluation whenever they were
available. To reduce cost, some S-band radar equipment was modified for these tests

where they were technically feasible. The details of our various subsystem developments
are discussed below.
Missileborne Transmitter During 1959, a development contract for three S-band
transmitters was awarded to Spectralab Co. A 12 watt S-band FM transmitter was
developed with nearly 10 percent efficiency. (See Table I, UHF Telemetry Transmitter
Characteristics, for additional details). These transmitters met most design goals, but
they generated excessive incidental frequency modulation (IFM) under adverse
environment. Also, long term frequency stability became a problem. Nevertheless, this
development demonstrated the feasibility of producing an operable S-band transmitter
from BF components available at that time.
In 1963, a cost-sharing development contract was awarded to Microdot for three S-band
transmitters. The Microdot S-band Telemetry Transmitter4 Model 2436, consists of
power supply, RF exciter-modulator, and power amplifier modules. The transmitter was
especially designed to minimize IFM under adverse environment. At 10 g sinusoidal
vibration, induced IFM was below 12 kHz peak-to-peak. These transmitters operated
satisfactorily for several months and then the transmitter output power gradually
decreased as testing continued. Also, heat dissipation in the power amplifier module
became a problem. Two separate planar triodes failed during laboratory testing. Due to
the lack of an operational transmitter, this prototype S-band transmitter was used for the
first UHF missile flight test. The transmitter failed after the first 30 seconds of the
missile flight. Additional results will be discussed under the first POGO missile flight
test.
In late 1965, Monitor Electronics delivered a solid-state transmitter, Monitor Model
2250P3FMT under an open-competitive, fixed-price contract. The transmitter exhibited
excellent frequency stability (0.002 percent) and low IFM (3 kHz peak). The-transmitter
was certified to meet the spectrum occupancy criteria of IRIG Document 106-65. This
transmitter achieved all the government design objectives. It has twice been flight tested
aboard a POGO missile and is scheduled for a third POGO flight test in the near future.
The transmitter developed an air leak in its case causing it to fail after about 12 minutes
of the first missile flight. It was returned to the manufacturer and sealed by an improved
technique. This transmitter was again used during 17 February 1967 missile flight test,
which was a complete success.
Monitor Electronics delivered one L-band and two additional S-band transmitters to
WSNR under a separate contract. The L-band transmitter met all the government design
objectives and was certified to operate under IRIG 106-65. The two S-band transmitters
are Monitor Model 2250P2FW. They are similar to Model 2250P3FMT but about 40
percent smaller in size. They complied with most of the government technical
requirements. However, optimum tuning of the output power is difficult to achieve under

load due to the high Q of the three varactor multiplier stages. A circulator with proper
termination was used to provide approximately 50 db isolation between the load and the
transmitter output. This solved the problem. Another contract for two L-band
transmitters was awarded to Monitor Electronics in June 1967.
Conic Corp. delivered two S-band transmitters, Model CTM-UHF-3, to WSMR in late
1966. These transmitters have been evaluated and meet all the manufacturers’
specifications. However, it has recently been discovered that one of the transmitters
decreases its output abruptly from 2.8 to 2.0 watts when the outside temperature is
changed from 52 to 53 degrees centigrade. On the other hand, little variation was found
in the second unit in performance as a function of aging or temperature. This second unit
is on loan to Air Force Cambridge Research Laboratories for an Aerobee S-band
telemetry flight test.
Microcom delivered two S-band transmitters, Model T-40, to WSMR in June 1967. This
was the first time that UHF telemetry transmitters were delivered to WSMR ahead of
schedule. Bench test results correlated well with the test data supplied by the
manufacturer. Simulated environmental tests are scheduled in the near future. WSMR
has a contract with Microcom. for one additional S-band and one L-band transmitter.
A contract for five S-band telemetry transmitters was awarded to Dorsett Electronics in
1966. These transmitters are scheduled to be delivered in August 1967.
Presently, transmitters are being produced by manufacturers -who have engineers and
technicians with specialized skills. One could anticipate that mass production of S-band
telemetry transmitters may remain a problem for some time. Transmitter warm-up time
and frequency stability requirements in accordance with IRIG 106-66 my be a problem
for most transmitter manufacturers. We do not know of any transmitter which has been
certified in accordance with the requirements of IRIG 106-66. This document is
interpreted to require a warm-up time of one second. This is most difficult to achieve
with present transmitters. A transmitter warm-up of five to ten seconds may be realistic
for most anticipated range needs.
There has been considerable discussion on the existing IRIG frequency stability. This is
another parameter which is difficult to achieve in UHF transmitter production. Many
telemetry manufacturers, range telemetry users, and R & D personnel believe that a
transmitter with 0.003 percent frequency stability is sufficient for S-band telemetry
operation. A frequency stability of 0.003 percent appears adequate for the interim, based
on the hardware available and our limited UHF telemetry system testing in the last few
years. However, the final standard on stability should not be made until a thorough
investigation on the effect of transmitter frequency stability due to doppler shift, data

receiver bandwidth, tracking receiver bandwidth, receiver frequency stability, transmitter
deviation, and other related factors are determined.
To sum up the UHF telemetry transmitter development, we believe that the telemetry
manufacturers have performed an outstanding task in spite of the lack of demand for a
large quantity of transmitters.
Airborne Antennas Missileborne antennas remain relatively unexplored, and is perhaps
the most challenging UHF telemetry system problem. Missile Ranges have sponsored
few developments because each antenna system must be tailored to a particular missile,
since each missile has different physical and aerodynamic characteristics. It is difficult to
design a universal UHF antenna system. WSW has participated in three antenna
developments.
In 1964, two S-band quadraloop antennas were designed in-house at WSMR for a nineinch diameter POGO missile. They were mounted 180 degrees apart and were fed 180
degrees out of phase from a 3 db power divider. The antenna system had a 5 MHz
bandwidth with a VSWR of about 1-5 to 1. The system operated satisfactorily during a
missile flight, but had a radiation pattern which was far from optimum.
In early 1965, the Physical Science Laboratory of New Mexico State University designed
a UHF and VHF telemetry antenna system for the POGO missile5. The UHF antenna
consists of a pair of folded Valentine antennas fed in phase. These antennas operate on
the equiangular principle of the conventional folded dipole. The antenna dimensions,
patterns, and impedance are relatively independent of frequency, provided the inner
antenna curve exceeds a quarter wavelength at the lowest operating frequency. The
VSWR of the system was less than 1.5 for the frequency range of 2200 to 2300 MHz.
Maximum gain over an isotropic antenna is 4 db. The system handles 10 watts of
continuous power at 115,000 feet MSL. It performed well during two POGO missile
flight tests.
In 1966, a contract6 was awarded to Dorne and Margolin, Inc., Chatsworth, California, to
develop “flush-mounted” antennas to operate at VHF (221.5 MHz) and UHF (1485.5 and
2250.5 MHz) on a POGO missile, an L-20 aircraft, and an F-100F jet fighter. The
antenna design provides maximum radiated signal fore and aft with minima in the
missile transverse plane. Design of each antenna was based on the contractor’s standard
shallow cavity antenna. Maximum gain of the S- and L-band antenna systems is 3 db
above an isotropic source. The VHF antenna system gain is 3 db below an isotropic
source. The S- and L-band antenna systems’ bandwidth is 4 MHz and the VHF
bandwidth is 1 MHz. Each antenna will handle eight watts of continuous power at an
altitide in excess of 115,000 feet MSL.

Telemetry Automatic Tracking Antennas. -Automatic tracking systems are a modified
SCR-584 radar, a modified T9 radar, and a commercially-developed TELTRAC system.
The three tracking systems are capable of S-band telemetry reception and conical-scan
tracking techniques. The SCR-584 and the TELTRAC are also capable of L-band
operations. Detailed automatic tracking antenna characteristics are given in Table II.
In June 1961, WSMR awarded a contract to Dalmo-Victor Co., Belmont, California, to
convert an SCR-584 radar7, for UHF telemetry operation. The system was delivered to
WSMR in 1962. It has been modified several times as improved telemetry components
became available and has operated satisfactorily during the last two years.
The T9 telemetry tracker consists of an antenna and feed developed by Temec, Inc., and
a modified T9 radar servo, and an S-band receiving subsystem 4eveloped by the
government. The initial modification was completed in 19648, and was up-dated in 1965.
The system has performed reliably for the last 18 months.
The TELTRAC9 antenna system -was manufactured by Canoga Electronics Co.,
Chatsworth, California, to WSMR specifications (WSMR TDP-739). The RF system,
with the exception of the antenna, was supplied to the contractor as GFE. The system has
operated satisfactorily since its delivery. A measurement system was installed in the
tracker to provide instantaneous system noise figure measurement prior to each tracking
operation.
R & D UHF Telemetry System Flight Tests The purpose of UHF telemetry system
tests is to demonstrate the operation of the system and to investigate potential UHF
telemetry problem areas. Tests have been conducted with an L-20 aircraft, an F-100F jet
fighter, and a POGO missile. We have also attempted to track an ATHENA re-entry
vehicle which had an onboard transmitter.
The purpose of the L-20 aircraft flight test was to determine the maximum dynamic
tracking velocities of the tracking antennas and to observe multipath propagation
phenomena. The L-20 aircraft was flown in flight patterns which required maximum
tracker servo system response. The T9 and TELTRAC systems tracked the aircraft
satisfactorily when it war. flying at 100 knots at a distance of about 100 feet. At this
distance it is difficult to estimate airborne antenna pattern effects and the propagation
phenomena. However, the estimated maximum dynamic tracking rate in azimuthl
correlated well with the static tracking rates. Additional tracking testsio were conducted
at aircraft altitudes of 2,000, 5,000, and 8,000 feet above the terrain. Tests results
indicate that we can estimate signal level based upon the radio line of sight, to within 10
db. As expected, a greater effect of multipath and fading occurred as the aircraft was
farthest from the tracking antennas. Large short-term variations occurred when the
aircraft was near the radio horizon and above a mountain range.

Three F-100F jet fighterhigh altitude tests were conducted during the last two years. Test
results were not totally conclusive because of problems in logistics, transmitters, and
airborne antenna radiation patterns. We expect to solve these problems within several
months and resume the tests.
Three POGO missile flight tests were conducted to determine the operational capability
of the newly developed S-band telemetry system. The POGO is a nine-inch diameter
missile. The missile is launched at an angle of 85 degrees from horizon. The solid
propellant booster burns for five seconds and a maximum velocity of 3,400 feet per
second at six seconds. The missile reaches a maximum altitude of 120,000 feet in 75
seconds after which a parachute is deployed.
The first LW telemetry system was flight-tested with a POGO missile in May 1964.
Good quality S-band telemetry data was received for the first 30 seconds and excellent
VHF data was received for 102 seconds. Telemetered data indicated that the S-band
transmitter failed after 30 seconds. The T9 was the only operational tracker at that time.
It operated satisfactorily until the transmitter failed.
The second POGO missile test11 was conducted on 16 June 1966. The T9 tracked the
missile and received satisfactory data for six minutes 28 seconds after which the UHF
signal was lost. UHF transmitter power was measured and telemetered over the VHF
telemetry link which confirmed the loss of UHF power at that time. The UHF power was
off for about 12 minutes, then returned to its original value. The T9 reacquired the
missile shortly after the UHF power returned and tracked the POGO to impact. As the
missile ascended, the SCR-584 antenna moved downward and hit the lower limit Stop
3.5 seconds after launch. Ten seconds after launch the antenna elevation angle was
increased manually until the missile was reacquired at 35 seconds after launch, and the
tracker returned to automatic mode. The SCR-584 then tracked the missile until the
UHF transmitter failed. It reacquired the missile shortly after UHF power returned.
A 480 Hz oscillator was part of the POGO telemetry package. During the flight, the
reference-oscillator distortion was measured and found to be less than 2.0 percent from
both the VHF and UHF links.
The POGO was recovered and the telemetry package was undamaged. To investigate the
UHF telemetry failure during the flight test, the package was placed in an altitude
chamber to simulate the missile flight environment. The UHF transmitter repeatedly
failed at 44,000 feet, but operated satisfactorily below 40,000 feet. 'It was concluded
that a slow leek caused the UHF transmitter failure at high altitudes.
The third POGO missile flight test was conducted 17 February 1967. The UHF and VHF
receiving systems were located about five miles from the launch site. All three UHF

tracking systems locked on the missile prior to lift-off. During missile lift-off, all three
tracking systems were erratic and had a tendency to track downward. The TELTRAC
system was switched from automatic mode to optical slave mode for five seconds to
prevent the antenna from hitting its lower limit switch. Aside from the problems at
launch, the TELTRAC automatically tracked the missile to impact. The missile flight
lasted 770 seconds. No attempt was made to manually or slave-control the SCR-584 and
T9 antennas. They tracked the missile through the entire flight. UHF and VHF
telemetry date obtained from this flight were comparable–1.0 to 1.2 percent total
distortion of the 480 Hz reference-oscillator transmitted through a 22 kHz IRIG
subcarrier. However, a greater number of signal dropouts occurred in the UHF links
than in the VHF links. These dropouts were expected since the UHF link was operating
within 10 db of the system threshold.
In February 1967, an attempt was made to track a 60 milliwatt S-band beacon aboard an
ATHENA re-entry vehicle with the SCR-584, T9, and TELTRAC tracking systems. (The
ATHENA missile is a re-entry vehicle which is launched from Green River, Utah, to
impact at WS@R.) Tracking was unsuccessful because the missileborne beacon drifted
1 MHz.
A second attempt to track an ATHENA S-band beacon12 occurred 4 may 1967. The
beacon was a one-watt Conic S-band telemetry transmitter. The TELTRAC initially
received signal at T plus 95 seconds and automatically tracked' the missile to impact.
The SCR-584 received signal at T plus 8 seconds and automatically tracked the missile
to impact, except for two momentary losses of signals. However, tracking was reacquired
each time -with the aid of radar chain link data. The T9 received signal at T plus 260
seconds and tracked the missile to impact. The T9 operation was hampered because the
antenna does not have a position indicator for pointing, nor does it have an input for
radar chain data. Nevertheless, the overall tracking mission was considered a success
since the ATHENA Project personnel did not expect the trackers to receive signals until
T plus 120 seconds. Unfortunately, the missile did not reach re-entry velocity to cause
transmission blackout. Additional S-band ATHENA tests are scheduled for the near
future.
Conclusion Results of the tests have demonstrated that the WSMR developmental
S-band system is capable of good quality telemetry data transmission, but the reliability
is still significantly less than VHF. Limited support (using experimental R & D
prototype) has been provided to range users with reasonable success. Nevertheless, full
scale UHF telemetry operation at WSMR is far from being achieved. Little work has
been done at L-band. Considerable operational experience and system integration, in
addition to better solutions to certain technical problems, will be required to insure
reliable UHF telemetry operation.

During the next two years we will continue to improve the performance characteristics of
the existing UHF telemetry system as improved telemetry components become available.
We will use the existing UHF system to further investigate potential problems such as
multipath, fading, automatic tracking during the missile-launch phase, doppler shift,
optimum AGC loop, initial target acquisition, reacquisition of target after loss of
automatic tracking, and continuous tracking of re-entry vehicles. We believe that reliable
UHF telemetry operation cannot be attained until the phenomena and characteristics of
these problems can be adequately defined and methods developed to overcome these
effects.
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ON-LINE COMPUTER TUNED S-BAND PHASE-LOCK RECEIVER
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Anaheim, California

Summary Long-loop phase-lock receivers utilize a voltage-controlled crystal
oscillator (VCXO) as the first local oscillator (LO). Tuning across a band of frequencies
with such an arrangement has been virtually impossible in many of the existing space
and satellite tracking equipments; the characteristics of the long-loop configuration have
necessitated the use of VCXO’s. One particular advantage of the long-loop, the
capability of maintaining coherent LO and reference frequencies for coherent
demodulation of all IF outputs, is a constraint on the receiver system described here.
One approach for multi-channel operation has been to employ one VCXO for each
frequency; this has obvious economic limitations in applications requiring many
channels. For stations used in multiple vehicle tracking, frequency-agile or frequencyhopping anti-jamming applications, or for nearly unlimited tuning capability in a data
gathering station it is desirable to use a frequency synthesis technique to tune the
receiver. Such a synthesizer should lend itself to on-line computer control.
It is the intent of this paper to describe a technique of digital synthesizer tuning for a
long-loop S-band phase-lock receiver. Hardware utilizing this technique is now in
operation at Marshall Space Flight Center and Kennedy Space Center. The synthesizer
provides both direct-reading pushbutton and computer tuning; frequency changing can
be accomplished in microseconds. The frequency band 2200-2300 MHz is covered in 0.1
Hz steps. Although capable of providing on-line computer controlled operation, the
system is presently being operated in the manual mode.
Introduction Two common techniques1 are in existence for implementing phase-lock
receivers:
(1)

the “long-loop” technique in which the VCXO frequency is multiplied and used as
the first injection frequency so that the entire receiver is included inside the loop;
in this type of receiver, the tuning frequency is determined by the VCXO
frequency.

(2)

the “short-loop” or tracking filter approach in which the phase-lock loop is used at
the receiver output, or possibly at the second injection frequency; in this case,
tuning is determined by the first local oscillator and not the VCXO.

The phase stability of a receiver is largely dependent upon the phase stability of the first
injection frequency. Since fixed oscillators can be designed with greater phase stability
than voltage controlled oscillators, the short-loop approach is capable of greater phase
stability. However, in applications requiring precision Doppler information, the short
loop has a disadvantage in that the Doppler shift causes appreciable phase-shift in the i-f
amplifiers. This can cause apparent additional Doppler cycles resulting in Doppler
errors.
In the derivation of precision Doppler data, and in the development of coherent data
demodulation capability, there is a need for the local oscillator and phase reference
frequencies in a receiver to be derived and arranged so that there is exact f requency
coherence with a known external reference standard oscillator.2 The long-loop, when
properly designed, provides the capability for total cancellation of frequency drift and
phase noise of all oscillators except the VCXO and the coherent reference input.3 For
these reasons, the long-loop approach is commonly used when precision Doppler data is
required.
Many of the presently employed long-loop phase-lock receivers are designed to receive
only a single fixed frequency and the associated Doppler data and telemetry data. The
assignment of a new frequency requires use of a new VCXO. Often the new channel
frequency tuning capability is needed sooner than a new VCXO can be procured.
Therefore, it is common practice to maintain a stock of VCXO’s for all of the channels
expected to be required. The time required to get delivery on the special crystals and to
assemble, test, and age the VCXO often runs into several months.
A further problem lies in the warm-up time required when a new VCXO is installed. A
warm-up time of a day or two is not uncommon to achieve highly stable operation.
In the long-loop phase-lock receiver, the VCXO must be designed with the greatest
phase stability possible because the output frequency is multiplied for use as the first
injection frequency. Any frequency added at this point for tuning purposes (such as in a
synthesizer) must also be highly phase-stable.
Present techniques of signal acquisition with long-loop phase-lock receivers generally
employ a narrow frequency scan which is either manually generated or is operated by a
sawtooth voltage to the voltage controlled oscillator. The acquisition of the desired
signal occurs when the VCXO frequency is tuned sufficiently close to the required
values.

On-Line Computer Control In the more advanced type of computer controlled phaselock receiver under consideration in this paper, the acquisition can be accomplished with
the aid of a computer, which can compute the expected Doppler shift from a priori
vehicle trajectory information. This information can be used to digitally control the first
LO frequency of the receiver. When sufficient phase correlation exists for the phase-lock
on the receiver signal, the receiver lock indicator notifies the computer that phase-lock
has been established; the program input to the synthesizer is then disabled. In addition to
controlling the receiver first LO frequency, the computer is employed to program the
antenna pointing angle and the expected time of satellite signal acquisition. It is not
difficult to envision a highly automated tracking station in which all receivers and
antennas will be under full computer control and will acquire and track satellites
automatically as they appear over the horizon.
A further need for computer controlled tuning of the receiver lies in its application in
“frequency hopping” or “frequency agile” anti-jamming systems.4 By integrating the
receiver with a digital computer and adding highly coded control over the frequency shift
scheme, new and interesting possibilities may be realized, especially when the extreme
sensitivity of a narrow band phase-lock receiver is considered. This application calls for
not only good phase stability in the synthesizer but for tuning time of a few
microseconds.
A natural extension of the use of the computer with this receiver system lies in its use as
an on-line monitor of receiver status. Each module which generates or processes signals
of medium or high level (e.g., 2nd or 3rd IF, oscillators, reference mixers) has at least
one standardized analog d-c output which is an indication of signal level. A typical
receiver module is shown in figure 1 with the RFI cover removed. This particular module
puts out an analog of the signal level and of the IF bandwidth in use. The filters which
determine IF amplifier bandwidth contain a resistor network to provide an output voltage
correlated with the bandwidth in use. The S-band LO signal and the balanced mixer
crystal currents are also available for status monitoring. A simple scanner and
analog/digital converter with a limit compartor are sufficient to feed receiver status into
the computer. In addition, simple routines can be used for fault isolation utilizing the
same inputs.
The receiver chassis into which the modules are inserted is essentially a frame with 28
identical parking spots. The frame is wired to accomodate patching the RF and d-c
functions as desired. In the case of the status monitoring signals, they can be connected
through a patch board to either a front panel meter or to a commutator for computer
monitoring. As is suggested by the number of meters on the hinged front panel (figure 2),
most important internal functions are monitored.

Digital Synthesizer Concept The techniques described in this paper are directed
toward adding a highly phase-stable synthesized frequency to the VCXO signal in order
to provide rapid tuning and to eliminate the necessity of changing VCXO’s to tune the
receiver to a different channel. Li many current military and space programs, interest in
this type method has increased sharply. The approach described below has been
developed for an S-band phase-lock receiver application and is currently in use at
Marshall Space Flight Center, Huntsville, Alabama, and Kennedy Space Center, Florida.
The system approach consists of the use of a commercially available frequency
synthesizer (HP 5100A) as a means of adding precisely controlled frequencies to the
VCXO, thereby allowing the use of a single VCXO for the entire tuning range of the
receiver. The configuration which has been implemented for S-band receivers is shown
in figure 3. This approach allows tuning of the receiver over the 2.2 to 2.3 GHz range. In
addition, the arrangement of the system is such that the tuned carrier frequency is
indicated, except for the first two digits, by the synthesizer pushbutton panel.
In the use of this technique in phase-lock receivers, it is necessary to ensure that the
synthesized frequency output has no significant spurious signals near or coherent with
the desired output frequency. If such spurs are present there is the possibility of phaselock on a false response and undesirable phase modulations which will modulate the
loop.
The system of figure 3 was chosen over simpler approaches because the frequencies used
for synthesis generate no coherent spurious responses. Although an equivalent tuning
range can be achieved by simply mixing a VCXO and a single synthesizer signal, this
approach yields several spurs which pass through the desired frequency as the tuning
frequency is varied.
The preferred approach utilizes two synthesized tuning frequencies to ease the problem
of eliminating coherent spurious responses. The first synthesized input is variable from
30 to 31 MHz in 0.01 Hz steps; the second is variable from 30 to 39 MHz in 1 MHz
steps. Both of these signals were available in the standard synthesizer chosen. A list of
spurious responses which have been measured for this system is shown in table 1. The
undesired outputs are in all cases at least 1 MHz from the desired signal.
All frequencies used in the synthesizer originate from a 1-MHz stable reference and are,
therefore, coherent. The synthesizer signals are multiplied by only 10 for use as the
receiver first injection frequency. Consequently, the synthesizer contributes very little to
the phase jitter of the system. However, the VCXO frequency is effectively multiplied by
100 and is, therefore, the major source of phase jitter. A considerable amount of
development has gone into the taming of the VCXO. As a result, the long-loop system
described here has attained 10-Hz (2BLO) bandwidth with less than 5E rms phase jitter.

Pushbutton Tuning From the standpoint of human engineering, a most important
factor in error-free control of the frequency to which the receiver is tuned is the
provision of a direct digital readout of that frequency. In the process of developing the
synthesis scheme, the factor of first intermediate frequency was taken into account by the
selection of appropriate mixing frequencies. The resulting design is quite generally
applicable to other systems in that the first IF determines the VCXO frequency by the
following relationship:

In the case of our receiver, the 60-MHz first IF predicates the use of a 16.6-MHz VCXO.
The output of the VCXO is multiplied by ten to 166 MHz and added in a mixer to a
synthesized frequency. The resulting sum frequency can be varied from 196.0 to
196.99999999 MHz in 0.01-Hz steps by the depressing of the appropriate buttons on the
front panel of the synthesizer. In terms of the selected carrier frequency, this mixer
output provides the increments of 0.1 Hz to 100 KHz. A second output available from
the synthesizer is 30 to 39 MHz in I-MHz steps; this is added to the 196-MHz signal,
resulting in a 226.0 to 235.99999999-MHz sum. A step-recovery diode times ten
frequency multiplier with 5% instantaneous bandwidth puts the synthesized local
oscillator into a spectral position 60 MHz above the 2200 to 2300 MHz band.
With the above arrangement the first two digits of the signal frequency are always the
number “2” and are, therefore, deleted f rom the pushbutton selection. Referring to
figure 4, let us consider tuning to 22 87.50 MHz: Since the HP 5100A synthesizer used
has a 10-MHz decade that was not needed for this system, the first (short) column of
digits is ignored. The second decade column becomes the ten’s digit, the third column is
the one MHz digit, etc. Using all of the available decades gives a least significant digit of
0.1 Hz at S-band. Most applications do not require nearly so much frequency resolution
as this, so considerably fewer decades are needed in the synthesizer. Since the VCXO
employed will tune ±120 KHz about the digitally selected carrier frequency, a practical
least significant digit would be 1-KHz. In contrast with the ten-digit synthesizer used, a
five-decade unit could be substituted.
Computer Controlled Tuning Tuning a receiver requires both preselection of the
incoming carrier frequency and the provision of a local oscillator input to the first mixer.
There are numerous papers on microwave filters which are electronically tunable over
the S-band. Such filters are digitally tunable with the application of digital/analog
convertors and appropriate linearizing circuitry. The scope of this paper is limited to the
digital tuning of local oscillator.
The synthesizer discussed above has built-in external control connections for all decades.
Multi-pin connectors on the rear panel provide inputs for external transistor logic. The

interface between the command computer and the synthesizer includes computer
language translation to decimal and a frequency change command. The particular
mission of the receiver station determines the buffering and logic requirements. The time
required to shift to another frequency is in the order of 20 microseconds; this is almost
entirely due to the settling time of the synthesizer.
Spurious Responses A major effort in the development of the synthesizer system was
toward obtaining low spurious content in the local oscillator output signal. Of
considerable importance is the fact that frequency multiplication by ten raises the
spurious outputs by 20 db. Any spurs in the VCXO output are increased in relative
magnitude by 40 db since the effective frequency multiplication ratio for that signal is
100. Spurious outputs from the local oscillator result in spurious receiver responses
which are reduced in magnitude from the desired response by an amount equal to the
difference in power between the desired and spurious LO outputs.
Figure 5 is a graphic description of the spurious outputs of the subject system across the
2200 to 2300 MHz band. As indicated, all products are at least 46 db below the desired
signal. The steps in level are due to the variations in spurs of the zero through nine
decade (30 - 39 MHz) added to the 196 MHz sum. This decade was, by far, the greatest
source of spurs. Measurements of the spectral purity of the output were conducted with
an HP 851/8551 spectrum analyzer; with 70 db of dynamic range displayed, there were
no coherent spurs observed. (Coherent spurs are characterized by their movement across
the desired output as the frequency is varied.) Subsequent work in this area has resulted
in a filtering technique which suppresses all spurious outputs more than 60 db.
Conclusion Many of today’s tracking and data gathering stations must soon take
advantage of on-line computer control of the receivers in order to handle the high
volume of traffic. In those applications which require long-loop phase-lock receivers, the
digitally controlled local oscillator described here will serve to provide versatility not
previously available. For stations which must track a number of various signals the
synthesizer offers a cost advantage comparable to the purchase of a new VCXO for each
channel. The tuning speed of the decades and good phase stability of the overall system
make it practical to employ narrow-loop bandwidths for extreme sensitivity in f
requency-agile applications.
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TABLE 1. Spurious Outputs from Digital Frequency
Synthesizer over the 2260-2360 MHz Band

Figure 1. IF Amplifier Module with RFI Cover Removed to Show
Bandwidth Determining Filter

Figure 2. Side View of Receiver with Front Panel Hinged Open
Showing Metering, Modules, Module Parking Spots

Figure 3. Frequency Synthesis Approach

Figure 4. Synthesizer Front Panel, Receiver Tuning Control

Figure 5. Spurious Response Level Over Band
(All Spurs are Noncoherent)

GRAPHICAL DETERMINATION OF THIRD ORDER
INTERMODULATION FREQUENCIES IN RF SYSTEMS1
HAROLD O. JESKE
Telemetry Development Division
Sandia Laboratory, Albuquerque

Summary A simple discussion is given on the origin of intermodulation distortion in
nonlinear devices concluding with reasons for placing primary interest on third order
products. Nearby third order products are located at 2fx - fy and fx + f y - fz where fx, fy,
and fz represent all frequencies in a group. The number of nearby IM products of this
type is equal to N(N - 1) (1 + (N - 2 / 2)) where N is the number of input frequencies to
the nonlinear device. For eight input signals, for example, a total of 224 intermodulation
products are produced that are located in a bandwidth that is three times the bandwidth
between the highest and lowest input frequencies.
The graphical method of locating intermodulation products is rapid and simple.
Basically, interfering frequencies are found by the alignment of two pieces of paper. On
each piece of paper, the spacings between all input frequencies are plotted on a linear
scale. Frequencies which may cause interference are easily identified.
A guide which will allow the selection of frequencies to avoid third order
intermodulation interference is also given.
Introduction The successful operation of multiple telemetry or other communication
links is frequently dependent on the linearity of system components which handle the
multiple signals. In typical telemetry receiving systems, these components include
antennas, preamplifiers, multicouplers, and in the early stages of receivers. When the
linear operating range of these components is exceeded with multiple input signals,
spurious signals are produced due to intermodulation (IM). IM products of appreciable
amplitude may also be produced when several transmitters are multiplexed into an
antenna. The problem of selecting RF frequencies to avoid potential IM interference is
frequently quite involved. The primary purpose of this paper is to present a simple
graphical method of determining the frequency of third order IM components that may
be produced by any number of carriers within a band. This paper does not treat all
interferences that may be produced due to undesired nonlinearities in receiver mixers,
1
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downconverters, and the like. The graphical method of determining third order IM
product positions is described in the section entitled “Graphical Determination of IM
Positions.”
All active and some passive components have a limited power-handling capability above
which they cease to operate as desired. For example, in amplifiers the gain for large
signal inputs decreases, relative to the gain at lower input levels, but even prior to
appreciable gain reductions, distortion components are produced. These distortion and
gain reduction phenomena have little or no effect if only a single signal enters the system
as in the case of limiters in FM receivers. If multiple signals enter the system, which is
generally the case, intermodulation frequency components may appreciably degrade
system performance for the desired signal. (1, 2)
Intermodulation Frequencies The general expression for the frequency of IM
components with two input signals is:
mf1 ± nf2 ,

(1)

where m and n are integers and their sum is equal to the order of the nonlinearity
coefficient of the device producing them. In most RF systems or systems passing much
less than an octave frequency range, it can be seen that IM components produced by
even order nonlinearities (m + n is even) are well removed from the frequencies f1 and f2
and may be easily removed by filtering. In addition, it is readily seen that all values of
mf1 + nf2 are approximately an octave or greater above the band of interest and also may
be easily removed by filtering.
There is no definite relationship between the magnitude of IM components produced by
the various nonlinearity coefficients of an amplifier or other devices. The magnitude of
the IM components, in most cases, appears to decrease approximately 10 dB per unit
increase in the order of the nonlinearity. For this reason the third order IM products are
the most important, and the remaining discussion will be concerned with the third order
products only.
The preceding discussion concerned two closely spaced signals passing through a device
such as an amplifier. Two principal IM components are found at 2f1 - f2 and at 2f2 - f1. If
three signals are simultaneously passed through the device, nine principal IM
components are produced. Six of the components are due to IM products that are
produced as described above when taken two at a time, that is, 2f1 - f2, 2f2 - f1, 2f1 - f3, 2f3
- f1, 2f2 - f3, and 2f3 - f2. In addition, three nearby IM products are produced at f1 + f2 - f3,
f2 + f3 - f1, and f1 + f3 - f2. All of these IM products will fall within a band that is three
times the frequency band of interest. For example, in the 2.2 to 2.3 GHz telemetry band
all of the IM products will fall between 2.1 and 2.4 GHz.

For larger numbers of signals passing through a nonlinear amplifier, principal IM
components are located at all combinations of signal frequencies taken two at a time,
such as 2fx - fy, and three at a time, such as fx + fy - fz, where fx, fy, and fz represent all
input frequencies present.
Number of Principal IM Frequencies For N input signals or carriers, the total
number of these IM products is:
(2)
The first term, N(N - 1), represents the number of products of the 2fx - fy type. The
second term represents the number of products of the fx + fy - fz type. Table I lists the
number of principal IM components for up to signals.
Table I
Number of Principal Intermodulation Products
for up to Twelve Input Signals

Justification of Graphical Method The justification of the graphical method of
determining the location of third order IM products may be demonstrated by the
following algebraic manipulation. IM products of the 2fx - fy type are located at fx - (fy fx) and fy + (fy - fx). Since fy - fx is the difference in frequency between the two signals
()xy), it is seen that one product is )xy below fx and the other product is )xy above fy. In
the fx + fy - fz, fx - fy + fz and - fx + fy + fz case, it can be seen that:

(3)
(4)

(5)
(6)

(7)

(8)
From equations (3) through (8) it can be seen that the same IM location can be found in
two ways. In the graphical determination of IM positions, this type of interference is
therefore indicated in duplicate for each combination existing. Also, from these
equations it can be seen that IM products appear on each side of each carrier with a
spacing equal to the difference in frequency between the other two carriers.
From the above, it is evident that in a multiple carrier system third order IM products
may exist (1) below each carrier with a frequency spacing from the carrier equal to the
spacing from it to all higher carriers; (2) above each carrier with a frequency spacing
equal to the spacing from it to all lower carriers; and (3) on each side of each carrier with
a frequency spacing from it equal to the difference in frequencies between all remaining
pairs of carriers. Since all IM positions are determined by carrier spacings from the
various carriers, the frequency scale for the graphical analysis may be on an arbitrary
scale.
Graphical Determination of IM Positions Figure 1 is a plot showing five frequencies
(A through E) and the 50 different IM products positions. The upper 20 IM products are
of the 2fx - fy type while the lower 30 are of the fx + fy - fz type. The letters on the right
indicate the carriers required to produce the IM products shown on each row. The small
circles indicate conditions where IM products occur on one of the carrier frequencies.
The data represented in Figure 1 was obtained in the following manner:
1.

The carriers (A through E) were plotted on a linear frequency scale of the work
sheet.

2.

All combinations of carriers taken two at a time and three at a time were
determined and listed on the right side.

3.

The edge of another piece of paper was placed along the frequency scale and
marked for each carrier frequency (A through E).

4.

The marked paper was then positioned with B over A of the work sheet. The
position of the 2A-B IM product is located at A of the marked paper. This position
was then transferred to the work sheet.

5.

A of the marked paper was then positioned over B of the work sheet. The position
of the 2B-A IM product is then found at B of the marked paper and transferred to
the work sheet.

6.

The remaining combinations taken two at a time are located and transferred as in
steps 4 and 5.

7.

The IM products resulting from three carriers at a time are found in a similar way
except that the distances between B and C on the marked paper are plotted on each
side of A for the A BC combination.

8.

The remaining combinations are processed in the same way with the distance
between the last two carriers (as indicated on the right side of Figure 1) plotted on
both sides of the first carrier indicated.

As previously indicated the carrier combinations taken three at a time provide two
identical sets of IM products. This provides a check, if desired, because at any IM
frequency position of this type an even number of indications will occur.
If it is desired to determine only if third order IM exists in a group of frequencies, the
process is greatly simplified. The procedure is as follow s:
1.

Plot carriers with proper spacing on a straight line and on the edge of another
piece of paper as in steps I and 3 above.

2.

Slide one scale along the other and look for positions where two or more pairs of
carriers are aligned. If this occurs, IM conditions exist.

The carriers producing the IM and the carrier being interfered with can be identified
from the frequencies that are aligned on the paper and work she et.

If four different carriers are indicated, the IM is produced by the fx + fy - fz type (three at
a time) which interferes with a fourth carrier. In this case, IM indications will be found
on all four frequencies and are due to the remaining three frequencies. If only three
different carriers are indicated, there exists one carrier which is midway between two
other carriers in the group. IM also occurs on the center channel because fx - fy + fz = fy in
this case. This is indicated by the circles on the A CD and DAC lines in Figure 1. The
two IM interferences of the 2fx - fy type are shown on lines AC and CD of Figure 1.
A Guide for the Selection of RF Channels A general guide for the selection of RF
channels to avoid third order IM interferences is that the spacing between any pair of
channels must not equal the spacing between any other pair of channels including the
condition where one channel in each pair of channels may be common.
Stated another way, the spacing between any pair of channels, or the sum of the spacings
between any group of adjacent channels, must not equal the spacing between any other
pair of channels or the sum of the spacings between another adjacent group of channels.
The frequency selection used in Figure 1 illustrates this very well. The spacings are 1-23-2 units. In this case the spacing of 2 is used twice which produces the interference
between B, C, D, and E. The sum of the first two spacings equals the third spacing which
produces the interference between A, C, and D. A spacing of 1-3-5-2 units is an example
of a group of five frequencies that follow the guide above to avoid third order IM
interference.
In the actual selection of a group of frequencies, several other factors must be
considered. These factors include overall receiver bandwidth and skirt selectivity. In
addition, the IM products will appear, not as carriers only as treated but also will have
modulation on them corresponding to the modulation of the signals producing them. In
general, the degree of modulation on the IM product will be approximately three times
that of an individual signal assuming comparable modulation is on the carriers producing
the product. For UHF telemetry assignments, these factors may suggest a minimum
channel spacing of 2 MHz. If this is done, and all spacings are multiples of 2 MHz, then
all IM products will be at least 2 MHz away from the desired carriers.
Conclusions The graphical method of determining the position of nearby third order
IM products is very rapid and simple. It may, in many cases, eliminate laborious
calculations or the use of computers for determining the same result. Since the spacing,
or relative position, of the carriers is the only factor which determines the location of the
IM, the method may be used with equal ease anywhere in the spectrum. The guide
presented for the selection of RF channels to avoid third order IM interference may also
be conveniently employed to select or analyze a group of frequencies for IM
interference.
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Fig. 1 - Intermodulation Products Produced by Five Carriers

A QUANTITATIVE IMPEDANCE PNEUMOGRAPH
GEORGE E. BERGEY
Aerospace Medical Research Department
U. S. Naval Air Development Center
Johnsville, Warminster, Pennsylvania

Summary An impedance pneumograph capable of quantitatively measuring
respiratory volumes is described. Physically, the pneumograph is one of several 3/8 x 5/8
x 7/8 inches modules incorporated in a miniature biotelemetry system, with separate
modules being utilized to process signals derived from a number of physiological
parameters such as EEG and EKG in addition to respiration. Considerable
experimentation was performed regarding optimization of the electrodes used in this
impedance pneumograph as well as the frequency and amplitude of the excitation
voltage applied between the electrodes. The result was a fairly simple and inexpensive
device which uses a higher frequency (300 KHz) excitation voltage than is normally
used in impedance pneumography. The two electrodes, constructed of silver coated
nylon for flexibility, are insulated from the subject by a layer of polyethylene film, thus
forming a capacitive coupling of the electrode to the subject. This technique effectively
eliminates changes in skin-to-electrode resistance, largely responsible for baseline drift
encountered with previous impedance systems, so that this pneumograph responds only
to variations in the actual impedance between the two electrodes. Empirically, a nearly
perfect linear correlation was found to exist between the transthoracic impedance
measured by this impedance pneumograph and pulmonary volume. The two insulated
electrodes are pasteless and therefore easily applicable and non-irritating. They are held
in position by an elastic, quick-donning, vest-like garment.
Introduction This report describes the efforts of the Physiology Division at the U. S.
Naval Air Development Center toward the development of a device which has been used
extensively to measure tidal volumes of human subjects .
Previous attempts have been made by a number of investigators to quantitatively
correlate transthoracic impedance variations with pulmonary volume changes. The
advantages of the impedance technique are obvious: no restraint is placed on the subject;
the entire system can be made small and light in weight, worn for relatively long periods
of time, and used for a variety of applications.

The technique described in this report differs from other impedance pneumography
systems in that the frequency of the alternating current applied to a pair of electrodes is
considerably higher, 300 KHz, than that used by most experimenters. More importantly,
the two electrodes are insulated from the subject’s skin. This insulation of electrodes
eliminates variation in the resistance between skin and electrode which bears little
relevance to variation in pulmonary volume. Empirically, a close correlation was found
to exist between the transthoracic impedance as measured by this pneumograph and tidal
volume.
This impedance pneumograph was designed to be compatible with a telemetry system
capable of measuring other physiological parameters such as electrocardiogram,
electroencephalogram, temperature, and blood pressure. The electrodes developed for
both EKG and respiration were pasteless and therefore easily applicable, non-irritating,
and capable of being worn for extended periods of time. (See Figure 1).
Use of a microtransistor and miniaturized components enable compact construction of
the impedance pneumograph for applications where space is critical. This particular unit,
after encapsulation in epoxy, measured 3/8 x 5/8 x 7/8 inches. (See Figure 2).
Circuit Description Basically, the impedance pneumograph consists of a single
transistor Colpitts oscillator purposely designed to have a relatively high output
impedance of 2000 ohms so that small changes in the load impedance will cause the
amplitude of the excitation to vary considerably. At 300 kilohertz, the load impedance,
using the electrodes yet to be described, is approximately 6800 ohms. Respiration causes
this impedance to vary about 20 ohms per liter, depending, of course, to some extent, on
the subjects. (See Figure 3). The varying-amplitude excitation signal or carrier is then
demodulated using a half-wave rectifier filter, thus producing a direct current whose
voltage is proportional to the oscillator load; that is, the transthoracic impedance. As can
be seen from this calibration curve, the D.C. output of pneumograph varies linearly with
pulmonary volume. The slope of this calibration curve varies somewhat with the physical
habitus of the subject and his body position; that is, the pneumograph’s sensitivity is
slightly different if the subject is lying down than if he is, say, standing or sitting. Hence,
for quantitative results, it is necessary to calibrate the pneumograph for each subject on
whom it is to be used. Although the slope of the calibration curve varies as described, a
linear relationship between the pneumograph output and pulmonary volume always
exists. This D.C. output can then be used to drive a high impedance recorder directly or
to drive a voltage-controlled subcarrier oscillator for use in an FM-FM telemetry system.
Telemetering the signal appears to be the most advantageous method in that artifacts due
to changes in the subject’s position relative to ground are minimized. If the signal is
coupled to a recorder directly, movement artifact results when one foot is raised off the
floor, or when the subject changes his proximity to grounded equipment.

Considerable experimentation was done concerning the optimum frequency at which to
operate the pneumograph oscillator. (See Figure 4). Previous attempts at impedance
pneumography utilized frequencies in the 25 to 100 KHz range. In spite of the findings
of previous investigators, the sensitivity of this pneumograph was found to increase as
the oscillator frequency was increased to about 360 KHz as shown in this chart. Higher
frequencies were tried with little success, possibly because of skin effect or some other
phenomenon which altered the pathway of the RF radiated between the electrodes.
Figure 5 shows a recording of pulmonary volume as recorded simultaneously by this
impedance pneumograph (top trace) and a standard recording wedge spirometer (bottom
trace). The subject purposely varied his respiration so as to include a wide range of
respiratory volumes and rates.
Electrodes Previous attempts to measure pulmonary volumes with impedance devices
have utilized electrodes placed in direct contact with the subject’s skin to measure
transthoracic impedance. To eliminate the variation in electrode-skin impedance, the
electrodes of this system were insulated from the subject’s skin with a thin polyethylene
film, thus forming a capacitive coupling of the electrode to the subject. Since the skintoelectrode resistance is now constant, the oscillator load varies only with the impedance
between electrodes and proportionally with the volume of air in the lungs. Also, baseline
drift, normally due to skin-to-electrode resistance changes, is eliminated.
The electrodes for the impedance pneumograph were constructed of silver coated nylon.
Each electrode was constructed of two 4-3/4 x 6-3/8 inches rectangles fastened together
along all four edges with a strip of cotton edging 1/2 inch wide. Electrical connection
was made to the metallized cloth by soldering lengths of 24 gauge stranded, plastic
insulated wire to a size 15 snap fastener inserted through one corner of the electrodes
approximately 1/2 inch from 2 edges. These electrodes were then sealed in small
polyethylene sandwich-wrapping bags called “Baggies” to insulate the electrodes from
the subject.
The electrodes were placed transthoracically on the midaxillary line with the top edge of
each electrode placed at the level of the lower edge of the areolae. Smaller electrodes
were more subject to artifact resulting from arm movement and pressure on the
electrodes. Larger electrodes produced a nonlinear output at extremes of the respiratory
cycle, presumably because of the interposition of various internal organs; e.g., the liver.
Other systems have been described which use common electrodes for monitoring EKG
and respiration. Since insulated electrodes could not be used for the relatively low
frequency voltages of EKG, the telemetry system of which this pneumograph is a part
utilizes separate electrodes for measuring respiration and EKG. It was felt that this
method would not detract from the advantages of the system since the separate electrodes

can be placed on the subject as a unit with the smaller EKG electrode placed in contact
with the subject’s chest.
Vests A unique feature of the overall telemetry system involves the use of a vest (see
figure 6) to hold the pasteless EKG and respiration electrodes in place on the subject.
Two pockets in the front of the vest hold the packages containing the transmitter,
amplifiers, impedance pneumograph, and VCO’s. A number of styles of these elastic
vests have been designed and fabricated in our laboratory, the most recent model of
which is shown in figure 6. The larger electrodes on the bottom of the figure are for the
pneumograph. The smaller, white bordered squares are EKG electrodes. The two pockets
contain the biotelemetry system. To the left of the vest is one of several Lycra brassierre
expanders which can be inserted with hook fasteners to adjust the size of the vest to fit a
wide variety of subjects. The vest is constructed of Lycra and stretch denim resulting in a
very compliant garment which imposes little physiological or psychological restriction to
normal breathing. Figure 7 shows a subject wearing the vest which holds in place the
pasteless electrodes for the pneumograp . No lengthy preparation of the subject is
required; he need only don this garment to have his respiration telemetered to a nearby
receiving site.
Discussion The exact nature and cause of the variations in transthoracic impedance
measured by this device have not yet been ascertained. Other investigators have reported
that the primary component of the impedance which varies with respiration is the
resistance while the reactive component remains essentially constant. Other speculations
implicate variations of blood volume in the chest, air in the lungs, lung tissue density, or
electrode coupling as being responsible for the impedance
changes noted.
Previously, our efforts had been directed primarily toward establishing the empiric
correlations I have described. This correlation having been established, and a simple,
reliable device developed for monitoring respiration, we now plan to undertake a more
thorough investigation of precisely what physical parameter is responsible for the results
we have noted. We have begun such experimentation, but to date are not prepared to
draw any definite conclusions.
To summarize, I have described an impedance pneumograph capable of measuring
respiratory volumes quantitatively. The principal feature of this system involves the use
of pasteless electrodes which are insulated from the subject by a layer of polyethylene,
thus forming a capacitive coupling of the electrodes to the subject and eliminating the
problems associated with skin-to-electrode resistance variations. Empirically, a high
degree of linearity was found to exist between the transthoracic impedance measured by
this device and pulmonary volume.

Fig. 1 - Impedance Pneumograph Module

Fig. 2 - Schematic Diagram of Impedance Pneumograph

Fig. 3 - Calibration Curve

Fig. 4 - Attenuation vs. Oscillator Frequency

Fig. 5 - Spirometer and Pneumograph Tracings

Fig. 6 - Vest

Fig. 7 - Vest on Subject

TRANSMISSION OF DIRECT BLOOD PRESSURE FROM DOGS
DURING OBEDIENCE TRAINING1
R. RADER, W. J. SEARS, D. H. REID, J. P. MEEHAN and J. P. HENRY
Univ. of So. Calif., School of Medicine
Dept. of Physiology

Summary A method for transmission of direct blood pressure from dogs during
obedience training, treadmill exercise and sleep is described. Solid state transducers, 6.5
mm diameter, were implanted in the abdominal aorta of healthy young mongrel dogs.
The design of the specialized circuitry required to detect and transmit blood pressure
data is presented. Calibration was performed by comparing direct and transmitted data.
An obedience training course provided emotional arousal, and for physiological stimuli
the animals exercised on a treadmill at various grades and speeds up to exhaustion.
Blood pressures taken during natural sleep were defined as basal for each animal.
Representative observations are noted to emphasize the practical benefits of advanced
biotelemetry in research.
Introduction Until recently, most studies involving the measurement of cardiovascular
parameters have of necessity been taken under static conditions in anesthetized, and
hence restrained animals. A comprehensive study of the available methods of measuring
blood pressure chronically, in unanesthetized dogs, are summarized by Welhelmj and
McCarthy in a recent text (1). The many difficulties associated with the ausculatory and
direct catheter techniques are clearly presented. Their observations are supported by
Muller (2), who stressed that gross differences between casual and basal blood pressures
are found in dogs.
The need for more information about dynamic changes in blood pressure is becoming
increasingly evident in physiological research. The major contribution of biotelemetry
has been to free the physiologist from these difficulties and to allow him to study blood
pressure, heart rate, EKG, EEG, and electrical activity from selected deep brain sites
under truly it physiological” conditions in free-roaming, unanesthetized, normal animals.
This paper reports a technique for obtaining calibrated blood pressure from unrestrained
dogs during obedience training, exercise, and sleep by telemetry techniques (3).
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Experimental Technique All animals selected for surgery have been male mongrel
dogs of German Shepherd breeding, weighing approximately 50 pounds. A button-type
blood pressure transducer (Electro-Optical type 1017) was implanted in the abdominal
aorta below the renal arteries. The use of a similar intravascular gauge has previously
been described by Van Citters and Franklin (4). surgery was with aseptic technique and
anesthesia was with sodium pentobarbital maintained under nitrous oxide and halothane.
A flank incision was made and approximately two inches of the lower abdominal aorta
exposed. A small lateral incision was made in the aorta into which the transducer was
firmly sutured. The transducer lead, with terminating connector, was sutured
subcutaneously in the flank area during surgical recovery. Two weeks after surgery the
transducer was directed subcutaneously to a site over the midback region of the dog, and
the connector exteriorized in preparation for connection to transmitting equipment.
It was hypothesized that “obedience training” would be as psychologically stressful and
novel to a dog as, for example, astronaut training would be to a man. Hence, the initial
and most of the following recording sessions were made with the animal wearing a
standard chain training collar attached to a six foot leather training leash. The dog was
generally handled by the same individual who trained the animal by standard obedience
training procedures as described by the Air Force (5), and by popular books on dog
training (6). The initial task taught the dog was to lead by leash (“heel”). Subsequently
the animal was taught to “sit,” automatic sit on stop, stay it “come,” and “stand” on
command. The only punishment ever rendered was a hearty jerk on the training collar;
the only reward was petting and verbal praise. Verbal commands were normally-given
only once.
In preparation for each training exercise, the transmitter was connected to the blood
pressure transducer and placed in a pocket of the nylon-mesh harness worn by the dog
(Figure 1). Transmitted data were received and the subcarriers recorded on magnetic tape
for later analysis. Simultaneously, proper operation of the equipment was checked by
viewing discriminated data on an oscilloscope. Channel 2 of the tape unit was used for
verbal description of the actions of the dog and his handler during obedience training
sessions. Data were recovered from the tape by playback into appropriate demodulators
which were connected to a direct writing recorder. Simultaneously, channel 2 data were
played back through an audio amplifier and the investigator transferred the verbal data to
written notations on the strip record.
Calibration was performed by placing the conscious animal on a V-board to which be
had previously been partially familiarized. The area of the femoral artery of a leg was
procainized and an indwelling needle attached to a Statham P-23-AA transducer was
introduced into the femoral artery. Simultaneous recordings of the calibrated direct and
transmitted blood pressures were recorded on a stripchart recorder. Calibration was
established by varying the gain and position of the recorder channel displaying the

transmitted data until the pressure indications were substantially congruent. The linearity
of both pressure channels had been previously established; that of the blood pressure
signal conditioner from curves taken prior to sensor implant and that of the Statham
sensor just prior to use. Calibration points were then inserted on magnetic tape by
adjusting the frequency of a bench oscillator connected to both the discriminator and the
tape recorder. Frequencies which produced 0, 100 and 200 mmHg levels were selected as
calibration points. The taped calibration was subsequently used to obtain the strip chart
recording of the transmitted data.
Blood Pressure Signal Conditioner The miniature blood pressure sensor (Figure 2,
bottom right) Is a semiconductor strain gauge bonded to the inner surface of a metal
diaphragm. Four solid state silicone elements are connected in a four arm Wheatstone
bridge. The free end of the sensor is fitted with a miniature connector for later
attachment to the conditioning and transmitting circuitry (Figure 2). To produce a seal
against body fluids the connector is sealed on the side opposite the transmitter with a
potting compound and fitted with an 0-ring seal on the side connecting to the transmitter.
The four screws attaching the sensor to the transmitter are easily removed to separate the
units. In most cases the transmitter has been placed external to the animal., but in one
case it was placed subcutaneously in the flank area. In either case, a rugged, leak-free
connection is necessary to prevent problems associated with excessive motion or
invasion of body fluids.
The blood pressure signal conditioner consists of five sections; a chopper, a sensor, a
phase shift network an AC differential amplifier, and a parallel T oscillator (Figure 3).
The circuit is a chopper input amplifier with the oscillator functioning as the
conventional chopper drive and also as the subcarrier. The circuit is designed in this
manner to conserve power, reduce size, and to improve stability. The stability resulting
from chopper action and AC amplifier coupling allows increased gain which can be
acquired at minimal power expense. The increased amplifier gain allows reduction in
sensor excitation current and a consequent reduction in power. This has been successful
to the extent that the entire blood pressure signal conditioner requires 300 Fa whereas
the sensor alone would require 16 ma if excited with 8 volts.
The circuit functions to convert pressure variation on the miniature transducer to a
frequency modulation. To accomplish this, a DC voltage is applied to the sensor and
pressure variations produce an output voltage change which is alternately connected and
disconnected from the amplifier input C8 & C9) by the action of the phase shifted
oscillator output (collector of Q2) on the field effect transistor The resulting phase shifted
chopped signal is amplified by a two stage differential amplifier (Q4, Q5, Q6 and Q7) and
then summed with the primary feedback signal of the oscillator at the base of Q1 . The
summation of the primary signal and the secondary signal produces a composite signal at
this junction which is incorrect in phase to sustain oscillation. Since there is no

constraint, the frequency of oscillation shifts in order to produce a compensating phase
shift through the primary parallel T feedback network of sufficient degree to nullify the
effect of the secondary feedback and to make the composite signal at the base of Q1 and
the oscillator output at the collector of Q1 differ in phase by 180E.
The entire FM/FM transmitting system includes the signal conditioner described above
and a carrier oscillator. The carrier oscillator is a low power, high frequency LC
oscillator operating at 230 mc and radiation from the tank circuit. The total current
drawn by the signal conditioner, sensor and carrier oscillator is 1 ma. With this level of
current the transmission distance is approximately 100 feet. An appreciation for total size
of a single channel can be obtained from the four channel transmitter illustrated in
Figure 2.
Results Table 1 tabulates the average transmitted blood pressure and heart rates
recorded from a dog implanted for six months, for each command as a function of days
of obedience training. Initial “heel,” commands produced pressures of 188/l06 mmHg
(heart rate of 227 beats per minute). By day 28 blood pressure on “heel” had decreased to
127/60 (heart rate 193). Initial blood pressure on “sit” was 176/100 mmHg (corrected for
hydrostatic pressure changes), heart rate 171. Day 28 “sit” pressures were 134/67 and the
heart rate was 164. On two separate days of the experiment, telemetered blood pressure
was taken during natural sleep. Sleep was assumed when the dog was lying motionless
and when transmitted EEG waves contained median frequency (10 Hz) high voltage
waves. The average blood pressure during sleep was 102/52 and varied from 98/50 to
118/72. Heart rate during sleep ranged from 95 to 50 beats per minute with a mean of 68.
The highest blood pressures recorded were during obedience training when a given
command was new to the dog and following correction for mistakes. At these times
systolic pressures in excess of 245 mmHg were recorded. The fastest heart rates were
found during exercise on the treadmill. At a speed of 8.1 miles per hour and a 28E up
angle, maximal heart rates of 339 per minute were observed.
Average blood pressure and heart rate values for treadmill exercise at an upward angle of
20E were as follows:

On one occasion at 8.1 mph, with the dog nearing physical exhaustion, the BP was 90/50
(HR 300), with irregularities of cardiac rhythm.
Three dogs have been monitored continuously for 24-hour periods. During these sessions
blood pressure and heart rate were obtained during acts spontaneously initiated by the

subject and hence are considered to be “casual” pressures as opposed to “basal” (7). With
the dog lying quietly, blood pressures of 125/75 and heart rates of 100 were noted. Blood
pressure during urination was 135/75, (HR 135). Pressure obtained while standing and
eating was quite labile, but averaged 130/80 (HR 140). Casual blood pressures were
obtained during many other situations too numerous to report here. It is interesting that
the taped sound of a running treadmill elevated the systolic pressure of a trained dog by
approximately 20 mmHg.
In general, depending upon the physical and emotional experimental conditions, blood
pressure and heart rate have been observed to be extremely labile. Initiation of new
training commands, and/or other forms of emotional arousal, results in elevated blood
pressures which are usually followed by decreasing pressures as learning progresses or
as the novelty of the situation declines.
Discussion Often reports in biomedical telemetry are confined to an account of the
development of the devices. in this study representative observations have been
described to emphasize the practical benefits of advanced biotelemetry in research. The
advantages of using remote recording in work which demands complete relaxation and
freedom of the animal are evident. The limitations of the method include the delay for
recovery following surgery and the availability of technical apparatus required for
successful experimentation.
This method will allow the necessary latitude for investigating the cardiovascular
responses in behavioral studies. The use of the techniques described appears to have
widespread application in chronic studies, especially where psychological factors might
influence casual or basal blood pressures and overshadow small, but significant,
physiological changes.
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Figure 3 - Signal Conditioner Circuit Diagram

A SHORT RANGE UNDERWATER BIOTELEMETRY SYSTEM
JOHN W. STEADMAN
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Summary The requirement for monitoring the physiological functions of the test
subject in weightlessness simulation activities coupled with the advantages of using
telemetry for such monitoring led to the development of a biotelemetry system. One
valuable technique for simulation of weightlessness uses the neutral buoyancy obtained
by having the subject under water, which leads to a requirement that the telemetry system
work in this medium. Previous underwater telemetry systems have usually used
ultrasonic carriers. The system described in this paper is unique in providing a multiple
channel underwater telemetry system using an electromagnetic carrier. The development
of transducers used with this system to provide information on the work load Imposed by
various simulation tasks is also described.
Introduction In the future, man can be expected to be used extensively to accomplish
tasks in space. The zero G environment materially affects the ability of the astronaut to
accomplish the task and the metabolic cost of the performance of such work in space.
Several simulation techniques have been developed to aid in ground-based experimental
studies of man’s ability to accomplish work in the weightless condition when operating
in the constraint of a pressure suit. The subject in these tests should be monitored for his
physiological status, and an ability to measure changes in metabolic work load imposed
upon the subject produces more information concerning the effect of the task on the mm.
One of the techniques used for simulation of weightlessness requires that the subject be
under water. In this condition he is neutrally buoyant and therefore experiences many of
the effects of weightlessness as encountered in space. The system used to monitor the
man should therefore be designed so that it may be used under water.
Telemetry offers obvious advantages in biological monitoring systems, the most
important one being that it removes the necessity for encumbering leads attached to the
subject under test. This of course reduces the tendency of measurement itself to have an
effect on the test subject. In cases where an umbilical is to be used by the test subject
anyway, hard wiring may be used. Even in this case, the use of a mixed composite signal
for transmission of all the physiological information,, a concept taken from telemetry
systems, is valuable in that it reduces the number of leads required to a single pair.

Several decisions were made early in the development of the system which shaped the
final configuration. First, the goals chosen for this system were monitoring of the subject
and determination of changes in the imposed work load., as opposed to an attempt to
measure total metabolic rate. Second, four physiological parameters were selected for
measurement which would reflect changes in work load: (1) heart rate, (2) body
temperature, (3) breathing rate, and (4) partial pressure of carbon dioxide in the expired
air. The amount of oxygen consumed is a more accurate index of metabolic rate end a
more standard measurement of metabolic rate than pCO2 in expired air, but no technique
for measuring O2 consumption is available which lends itself to a small biotelemetry
unit. The various available O2 sensors are not useable for reasons of power consumption,
chemical interference, response time, or susceptibility to shock or vibration damage.
Finally, two engineering design constraints were imposed which required that the system
respond quickly enough to reflect the changes caused by individual parts of the total
simulation exercise, and that the size and weight of the entire unit be kept as low as
possible while providing a running time without attention of several hours.
Telemetry Since telemetry would be a desirable feature of the monitoring sysre-mand
compatibility with the underwater environment was a necessary requirement,, a system
which would provide both of these was the goal. An ultrasonic carrier appeared to be the
only proven method of providing both features, but has several inherent disadvantages.
First, and most important in this unit to be worn by a test subject, the power and weight
penalties imposed by an ultrasonic system are high. Second, telemetry using an
ultrasonic carrier is not nearly as well known as standard electromagnetic telemetry,
adding considerably to development time and cost. Finally, additional problems were
anticipated in this application because the system would be used in relatively small
pools., where considerable reflection from the concrete walls and bottom could be
expected. Interference from the noise generated by the pumps and other equipment in the
pool would undoubtedly be present.
Since a system using an electromagnetic carrier presents significant advantages in cost,
power, weight, availability of demodulating equipment, and ease of construction, a
program to determine the feasibility of using such a transmitter was undertaken.
It would be expected that the properties of water, being quite different from those of air,
would materially affect the ability to transmit effectively an electromagnetic wave in this
medium. The relative permeability of water, F(, is approximately 1.00 (approximation
good to better than 1%), but the relative permittivity, ,(, is significantly different from
the value for air. The relative permittivity depends on the impurities and on the
temperature, but will be approximately 79 in a well filtered pool at 23EC. The equation
for the wavelength of a propagated wave is given in equation (1):

Since , may be expressed as the product of ,o, the permittivity of free space and ,(, the
relative permittivity of the medium, it follows easily that the wavelength is inversely
proportional to the square root of the relative permittivity. The approximate relative
permittivity of water is 79, so the wavelength of the propagated wave is only about one
ninth its value in air for the same frequency. This makes the design of an efficient
antenna possible at a reasonable frequency for use in a small body-worn telemetry
package.
Other properties of water make it a less desirable medium for electromagnetic radiation.
The relatively high conductivity of water makes it a very “lossy” medium. What the
conductivity will be and therefore how much attenuation to expect depends upon,the
water encountered. The value for sea water is approximately 40 x 103 micromho/cm., but
for distilled water is only 2 micromho/cm. Lonsdale has reported good results using a
100 Mhz. telemetry system for tagging fish in water with a d.c. conductivity of 231 to
366 micromhos/cm., and total dissolved solids count of 236 to 310 ppm (1). Water from
a typical pool used for underwater simulation studies was checked and found to have a
conductivity of 2.2 x 103 micromho/cm. at 60 hz., becoming 2.3 x 103 at 1 khz. The total
dissolved solids count was 190 ppm.
The relatively high conductivity of the water causes rapid attenuation of the radiated
signal. However the reduced wavelength makes efficient coupling possible with a small
antenna, and this helps to some extent to offset the effect of the high conductivity. In
order to make a real test of the feasibility of using an electromagnetic carrier a simple
high frequency oscillator was constructed and tested in a small pool. From the
experimental transmitter it was clear that for the short ranges necessary for this
application an electromagnetic system could be used.
The use of an electromagnetic carrier allowed the final design to follow that of a typical
telemetry system, as illustrated by the block diagram of the system shown in Fig. 1. The
voltage controlled subcarrier oscillators are commercially available units operating on
standard IRIG channels 5, 7, and 11 for body temperature, percent CO2, and
electrocardiogram respectively. Each VCO accepts a 0 to 5 volt input to produce ±
7 1/2% frequency deviation at the output. The composite signal at the output of the
simple resistive mixer is used to frequency modulate the transmitter.

The simple transmitter used in the system consists of only two stages. A shielded and
temperature compensated one transistor L-C oscillator is frequency modulated using a
varicap diode. This oscillator drives a one transistor tuned amplifier. Both the oscillator
and the amplifier are provided with variable capacitors which allow the output frequency
to be varied from 105 to 250 Mhz.
Two antenna designs have been used with essentially equal results. The size of the entire
package is limited to 8"x 8"x 2 1/2" by the design of current concepts for “chest packs”
and “back packs” being considered for EVA. The high permittivity of water results in a
wavelength at the lower frequencies used of 0.28 meters or 11 inches, thus permitting the
design of antennas on the order of one wavelength even in the limited space available.
One antenna used straight wires running at right angles to each other along adjacent
sides of the box and fed in the middle. The other used a simple one turn loop with a 7"
diameter. In both cases the wire is brought through the removable lid of the waterproof
housing and then covered with a thin layer of fiberglass. This procedure preserves the
waterproofing but puts the antenna in ‘very close proximity to the water.
The transmitted signal is detected with a communications receiver which provides a
tuning range from 85 to 250 Mhz. The composite signal from the discriminator is used
for the input to a standard set of filters and discriminators providing ± 2 1/2 volt output
for ± 7 1/2% deviation of the subcarrier frequency. The analog output of the
discriminators is displayed on an oscilloscope for subject status monitoring and
simultaneously recorded on chart paper for later analysis of the data.
Physiological Measurements Transducers and signal conditioners are provided to
make four physiological measurements: heart rate, body temperature, breathing rate, and
partial pressure of carbon dioxide in the expired air. The heart rate information is
obtained by transmitting the subject’s electrocardiogram. The ECG signal is picked up
using waterproof electrodes attached to the subject’s chest. Both sternal and transthoracic placements of the electrodes have been used with satisfactory results. The signal
is amplified and used to modulate one of the subcarrier oscillators. The amplifier used
for this channel has a bandpass limited to 1 to 40 hz. This bandpass limiting reduces the
fidelity of the received ECG, but in this application the ECG is monitored only for the
purpose of providing cardiac rate, and the limited bandpass materially reduces problems
of baseline shift, muscle noise, etc. The use of silver-silver chloride electrodes also
minimizes the occurance of artifacts in the signal.
Body temperature is measured using a thermistor. The thermistor may be placed in the
mouth of the subject or attached to his skin. The surface measurement is generally
preferred because it is more likely to change with work load as the body attempts to
transfer excess heat produced by the higher metabolic rate. The thermistor is used in a
conventional d.c. bridge circuit, with the amplified output of the bridge used to modulate

a subcarrier oscillator. The amplifier gain is set to allow a maximum variation of
temperature of ± 2 1/2E. Greater temperature variations will produce an output volta7ge
outside the acceptable input for the subcarrier oscillator.
A plot of discriminator output voltage vs. thermistor temperature is illustrated in Fig. 2.
The temperature response is clearly linear over this limited range of temperatures. The
overall system sensitivity and noise allows reading changes in temperature of 0.1EC, and
since only changes in work load are being studied, this is the characteristic of major
Importance. The accuracy of the system over a period of three days is ± 0.3EC.
The third channel is used for both breathing rate and partial pressure of carbon dioxide in
the expired air. The basic concept behind the sensor used for this measurement is the
change in thermal properties of a mixture of O2 and N2 when CO2 is added to the gas.
The sensor used is a modified thermal conductivity cell of the type used in gas
cbromatographs. The cell contains four filaments arranged in a bridge configuration, as
shown in the schematic diagram of Fig. 3.
To obtain the fastest possible response time and the smallest size, a thermal conductivity
(TC) cell with an internal volume of only 90 microliters per filament is used. The
modification consists of further reducing the internal volume at the expense of sensitivity
by removing two of the filaments, one on the sample side and one on the reference side,
and plugging the entrances to the two unused chambers. This process reduces the
internal volume by one half and reduces the sensitivity by one half, but improves the
response time. The two removed filaments are replaced in the electrical circuit by a pair
of precision resistors.
The bridge filaments are heated by approximately 0.1 watts of power supplied by a small
battery. The resistance of each element is a function of its temperature, and the overall
temperature of the TC cell will vary uniformly with the ambient temperature due to the
mass of the bridge enclosure. The cooling of the filament when there is gas flow will
depend on the heat transfer coefficient of the gas, which in turn depends on several
properties of the gas as indicated by equation 2:
(2)

The rate at which a filament dissipates heat is primarily dependent on the thermal
conductivity of the surrounding gas, as indicated by the larger exponent.

When air containing no CO2 is flowing through the system, the cooling of both filaments
is equal and the bridge is in balance. If CO2 is contained in the sampled gas, however,
the cooling of the element which is exposed to the mixture is reduced since CO2 has a
smaller thermal conductivity than does air. The CO2 is removed by the chemical bed
containing MM before the gas passes to the other filament, so this filament is still
exposed to air. The increased temperature of the filament exposed to the mixture of air
and CO2 increases its resistance, and the bridge will be unbalanced. The chemical bed
upstream from the TC bridge contains a desiccant to remove water from the sampled gas
before it reached the filaments. The desiccant at the downstream end of the MOR
chemical bed removes the water formed as a product of the reaction of CO2 with LiOH
from the air stream before it reaches the filament on the reference side of the bridge.
Various other chemicals were considered for water and CO2 absorbtion but were
discarded because of uncontrollable by-products or partitioning action of the sample.
The output voltage from the bridge is amplified and used to modulate the subcarrier
oscillator.
The system is designed to be used with a subject in a pressure suit, so this pressure is
used to provide the flow through the pCO2 sensor, as illustrated in Fig. 3. Moderate
lengths of capillary tubing and a needle valve to control flow rate stabilize the pressure
and flow in the detector compared to the pressure fluctuation produced by movement of
the subject in the suit. By using a vacuum source to obtain 2 to 31/2 psi pressure drop
through the system., the unit may be used with any subject, and this procedure is also
used when calibrating the system.
In order to avoid the problems associated with baseline drift which may occur with
changes in battery voltage, pressure, or temperature, a method of sampling a standard gas
at frequent intervals is desirable. The subject’s breathing air is a convenient source of a
standard gas, and by taking the sample directly from the line to his mouthpiece alternate
samples of the standard gas and expired air are obtained without the addition of
complicated waiving systems. This technique also provides breathing rate without
additional sensors or signal conditioning equipment.
Very rapid response time is necessary in order to measure the percent CO2 in the expired
air with each exhalation before the sample of fresh air from the following inhalation
reaches the sensor. The response time is minimized by using the small volume TC cell
and modifying it as explained previously. In addition the chemical bed containing the
desiccant must be carefully designed to minimize mixing of the gas stress and very small
diameter tubing must be used throughout the system. A trade-off must be made between
flaw rate and response time. Higher flow rate will produce a faster response time, but
also causes quicker saturation of the chemical beds and makes the system more sensitive
to suit pressure changes. A flow rate of 75 standard cubic centimeters per minute permits
a running time of more than four hours without changing the chemical bed and a system

response time (to 90% of fall scale) of 550 milliseconds. The chemical bed is mounted so
that it can be replaced quickly between simulation tasks.
The calibration of the carbon dioxide sensing system is accomplished by sampling
prepared gases containing a known mixture of air and carbon dioxide. Fig 4 is the
calibration curve and illustrates the linearity of the system over the limited range of pCO2
values encountered in expired air.
Results The output of all three channels is illustrated by the recordings in Fig. 5. A
portion showing the initial application of the thermistor after removal from a 35EC
temperature bath was chosen to illustrate its response time and sensitivity. The recording
illustrates the response time of the CO2 measuring system A close examination shows
that the response is adequate to reach its final value for each exhalation and return to the
baseline for each inhalation.
The biomonitor has been used to measure changes in cardiac rate, body temperature,
respiratory rate, and CO2 production with various degrees of activity in both the
underwater subject and the dry subject in a space suit configuration. It has also been used
with a vacuum source when the subject is not in a pressure suit, and in fact has a greater
accuracy in this case where ambient pressures are constant.
The system has proven to be a sensitive indicator of changes in work load., although care
must be taken in interpreting the results. For example, hyperventilation can reduce the
percent CO2 in the expired air even though the work load increases. This will be
accompanied by an increase in respiratory rate and a change in the respiratory cycle, as
well as an increased heart rate. A rise in body temperature can also result in a lower CO2
reading, since in this case the CO2 tension in the blood may increase. However, in
general an increased work load will result in higher pCO2 readings and an increase in
breathing rate. The sensitivity of these measurements is illustrated by the recordings of
Fig. 6. The upper recording was made at the beginning of the test with the subject well
rested. During the test the subject remained seated with the only change being the
requirement that he breathe using the mouthpiece, air line, and valves incorporated in the
pressure suit helmet. The second recording was made approximately three minutes later.
The carbon dioxide content of the expired air has increased by approximately 12%, and
the breathing rate has also increased, indicating the larger volume of carbon dioxide
being produced by the body. Of course more strenous tasks result in more dramatic
changes in the measured physiological parameters.
Although only short transmitting distances are involved, and the water is not nearly as
conductive as sea water, telemetry certainly can be a useful technique for underwater
data transmission under certain circumstances. One of the significant advantages of
telemetry is the ease with which additional channels may be included. A fourth

subcarrier oscillator is already installed in the biomonitoring unit which may be used to
measure respiratory minute volume or mass flow when the details of adding this
measurement are worked out. This would allow the calculation of total volume of carbon
dioxide being removed by the lungs. Even when an umbilical is used., the transmission
of a single composite signal is certainly preferable to having several sets of wires
attached to the subject.
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Summary The purpose of this paper is to provide some insight into the continuous
monitoring and computer analysis of medical signals, in particular the electrocardiogram
which has been chosen as a model. The advantages of having continuous data analyzed
by an accurate, objective system are elaborated. The great mass of data being collected
has heretofore been stored and forgotten in many instances but with immediate computer
analysis the interpretation of trends and rapid physiological changes are easily and
rapidly manifested. In addition, statistical evaluation of the data through programming te
techniques can lead to new diagnoses and treatments and allows the monitored data to be
compared with “pre-obtained” data as well as other groups of people.
Introduction The real time monitoring of subjects under stress conditions whether it
be in the intensive care situation or a space capsule environment can be of great value to
the well-being of the subject. Unfortunately, the real time services of a human monitor
are required to sift through this data and to weigh the significant changes. A great deal of
time is devoted by intensive care personnel to the observation, recording, and analysis of
repetitive medical data with the end result being a form of data reduction performed by
highly trained medical and paramedical personnel. Many of these tasks are suitable for
analysis by a digital computer which, in addition to saving valuable medical time, has the
capability of being more consistently accurate. The skills of a highly trained physician or
nurse are too costly for use in non-creative tasks which are computer adaptable.
Discussion The continuous monitoring of physiological parameters builds up a huge
backlog of data which hospital personnel cannot hope to analyze fully without the aid of
a computer system. One result is that a great deal of valuable data, possibly of little use
during an emergency, is shunted aside and forgotten. Analysis and storage of this data
could very well lead to the development of new techniques for application during just

such situations. Statistical analysis of the data can provide information leading to a better
understanding of the course of a disease and to the characterization of different diseases.
New preventive and restorative techniques can be improvised and the timing of
conventional treatment can be improved.
Continuous monitoring has many desirable features among which are tile avoidance of
patient crises by observing trends, prompt application of therapy after the onset of
abnormal symptoms, and bases for sound medical decisions in the event of sudden
physiological change. One might question whether or not a computer system can relieve
the human monitor of routine tasks by providing rapid, reliable computer analysis. It has
been shown in several demonstrations and in routine processing situations at the Medical
Systems Development Laboratory that an automated system can transmit signals,
preprocess them for computer compatibility, analyze them rapidly and accurately, and
display them as needed in the particular monitoring situation. The objectivity of the
computer system suggests its use not only as a screening technique to detect disease but
as a monitor in medical care units, exercise tests, and space flight or as a trigger for
alarm and display systems. It is also useful as a tool to evaluate clinical progress. The
objectiveness is manifested in two ways: the elimination of human biasing of results and
the digital form of the output which make it immediately available to display devices and
for statistical evaluation.
Continuous monitoring can be applied to any intensive care situation; the recovery room,
coronary care unit, surgery and anesthesia, and the nursery as well as space flight. In
surgery, for example, it is of value to study ECG changes simultaneously with events
such as the administration of anesthesia, surgical incision, administration of drugs and
fluids, and changes in temperature and blood pressure. Comparison of ECG’s before,
during, and after surgery would also yield valuable information. At resent the ECG is
used only for the detection of gross abnormalities during surgery and is usually forgotten
thereafter. This data would be very useful in both an on-line computer system giving upto-date readouts and an off-line system for medical research. The methods presently
being developed for use in the clinics can eventually be adapted to on-board spacecraft
computers and to communication satellites.
The first requirement of a monitoring program is to establish criteria for change. It must
be possible to make statements with regard to previous data concerning significant
changes, including arrhythmias, noise, or artifacts. Normal or abnormal trends can be
indicated based on clinical criteria developed for special needs. Statements based on
these trends can be used to trigger alarms, warning lights, or indicators of status quo.
Computer statistical routines can be used to evaluate the processed data to give greater
insight into overall patient condition.

The great amount of data piled up as a result of continuous analysis must be reduced in
form with an eye toward discarding superfluous detail while preserving meaningful
information. A time-varying template of measurements is a simple, useful approach to
solving the problem. The template can serve as a standard to signal the occurrence of
physiologically important waveform change; however, several templates should be
available for use as needed. If a particular heartbeat serves as a standard and all
subsequent beats exhibit no significant change, only a statement to that effect appears on
‘ the printout following the measurements of the first beat. If one or more criteria for
significant change are exceeded , the measurements of the changed beat can be displayed
on the printout. These new measurements can serve as the new template of measurement
values.
Safeguards are necessary to avoid introduction of a faulty standard template.
Measurements other than the ones exhibiting sustained significant change must be
checked against the previous template of measurements for transient significant changes.
In this way, short-lived measurement alterations, physiologic or artifactual, will not
affect the overall template but will be appropriately noted. For example, ventricular rate
variation, suggesting artifact, arrhythmia, or ST segment changes due to artifact,
tachycardia or myocardial injury, can occur. Whether transient or permanent, the cause is
an important consideration before display to the physician or monitor. As an example of
an effort To -develop tentative criteria at MSDL, a group of 2200 computer measured 12
lead ECG’s were analyzed to establish the magnitude of significant changes.
Any template method is dependent on the criteria established for significant change. The
criteria can be based on the analysis of any preselected subject population or time period.
It must be tailor-made for the utilization expected. Very sensitive numerical criteria may
provide such frequent display of “change” as to overwhelm the user. Flexible criteria,
easily modifiable upon request, are more likely to satisfy his needs.
During spaceflight, the continuously monitored data from the total period of one tracking
station can be used to establish a trend during the flight contrasted with pre-flight
information obtained from test chambers. On-board ECG tapes or tracking stations can
be evaluated for statistically meaningful data relating measured parameters to spaceflight
activities. From the research viewpoint, changes associated with weightlessness,
particularly during lift-off, orbiting, space walks, re-entry, and recovery-in fact, any
condition that cannot be tested on the earth’s surface can be quantitatively studied.
The advantage of computer analysis is that the automated system works around the clock
providing precise measurements and print-out interpretation at any time interval that may
be desired. The unique advantage of an on-line system compared to recording for later
interpretation, is that the verbal interpretation of changes is available immediately after
the signals are telemetered back to earth.

The format used in our computer print-out allows verbal electrocardiographic
interpretations to be made for any selected number of 3.7 second measurement time
blocks in the monitoring periods.
In certain instances a computer program (or sub-routine) must be specifically designed to
cope with situations in which data distortion might be expected because of imposed
stresses or because the subject is going about regular activities. Precise study of the PR
and ST segment, for example, is necessary for optimal early detection of abnormal
cardiovascular response to stress or in coronary care. Sub-routine programs of noise or
arrhythmic portions of the electrocardiogram are being developed.
The advantage of having data in digital form, as mentioned previously, allows for rapid
statistical analysis during monitoring. Various statistical outputs can be obtained on-line
from this data in specific situations. For example, a score value can be attributed to each
measured parameter, a status report on a subject relating to the past can be made, and a
comparison of a subject to a group can also be made. A subject’s overall profile can be
displayed showing quantitative limits and variations.
Useful clinical, physiologic, and epidemiologic data in exercise and stress tests, in
intensive care, and in routine follow-up of heart patients can only be supplied by
continuous monitoring of the electrocardiogram. Prompt detection of early changes of
significance is often haphazard with the present system of human monitoring. Several
factors contribute to this situation: first, there is no empirical way of completely
analyzing all of the relevant parameters of a continuously monitored signal; second,
sampling portions of the data leads to problems because of biologic variability; and third,
when the data becomes available to monitoring personnel it is often insufficient or is
received too late. Little effort has gone into the study of evaluation procedures. The
establishment of statistical computer programs to handle the flood of data from
continuous monitoring can do much to bring order to the field of monitoring. Data may
be compared with values from a pool of “pre” data, that is, data obtained from a group of
subjects related to the specific type of monitoring situation. In this manner, deviations
from normal limits are easily and quickly noted. The statistical significance must,
however, be determined from experimental studies.
Statistical techniques, then, in combination with a high speed digital computer offer a
promising method to evaluate the continuously monitored electrocardiogram. This
combination offers supplementary clinical information to the human monitor which can
do much to aid the diagnostic and early treatment processes.
With the growth of data and experience, it will become possible to evaluate new interrelationships and to begin to extract by statistical techniques such as multivariate
analysis quantitative methods to allow greater predictive ability for clinical phenomena

such as shock or arrhythmia. Application of continuous monitoring to cardiac patients
and during surgical procedures illustrates the value of the method. Another application is
in the laboratory where it can be used to assess the condition of the cardiovascular
system of animals subjected to stresses not possible with humans. Studies of this nature
would be especially important in relation to the great effort being expended in the area of
spaceflight.
An automated monitoring and evaluation system must optimally serve, not supplant, the
human monitor. It should perform those tasks which are routine, repetitive, and noncreative. Too often, hospital personnel are required to perform routine tests and obtain
intuitive results which try to emulate the objectivity of statistical procedures. Automation
can solve both the problem of human biasing and lack of trained personnel.
To demonstrate the feasibility of sending signals over very long distances for on-line
computer analysis with subsequent return of the interpretation, a trial communication
system was set up between Tours, France, and the Medical Systems Development
Laboratory in Washington, D.C., utilizing the services of the Early Bird satellite. The
electrocardiogram was the model signal used to demonstrate the functioning of the
monitoring system. Both 12 lead resting and continuously monitored ECG’s were
transmitted for almost 2 hours a day over a 5 day period (July 3-8, 1967) with excellent
results. The ECG signal was acquired and conditioned with a portable ECG machine
(TELEK--Computer Instruments Corp.) having a built-in binary encoder for patient
identification and was acoustically coupled to the French telephone network for
transmission to the Comsat transmitter at Pleumeur Bodou, France. The acousticallycoupled FM signal was then used to frequency modulate a Comsat carrier frequency for
transmission to Early Bird which resides in a synchronous orbit 22,236 miles above the
earth. The signal was re-transmitted to the ground receiving station at Andover, Maine.
At this point the original frequency modulated 2 Khz tone of the acousticcoupler was
recovered and placed on the private telephone lines of RCA Communications for routing
to Washington. Upon reaching Washington, it was necessary to couple the signal onto
domestic lines before final transmission to the Bell System 603B dataphone receiver at
the MSDL. The signal was filtered, amplified, and converted from analog to digital form
at a rate of 500 samples per second for presentation to a digital computer (CDC 160-A)
for analysis of the various amplitude and duration measurements associated with the
cardiac cycle. The computer output, in the form of punched paper tape, was fed into a
teletypewriter (Bell System--model 35 ASR) for transmission to New York where it was
necessary to convert from the domestic 8-level code to 5-level International Telex code.
The difference in speed for the machines associated with these codes is 100 words per
minute as compared to 60 words per minute. The information loop was closed when the
ECG interpretation was returned to Tours via transatlantic cable and Telex lines.

The quality of the signals as received in Washington was very good. The only noise
which appeared on the paper tracings was that due to occasional muscle movement or
electrode slippage. The first attempt at transmission was greatly affected by echoes; at
one time 12 were audible after a spoken word; however, this was soon corrected by the
insertion of echo suppression devices on the line at the RCA terminal. It was also
necessary to disconnect the telephone receiver in France during transmission since the
original transmitted signal was arriving back after a round-trip of approximately 0.6
second completely out of phase with the real time signal. In addition to the crosstalk
created on the lines, the signal was being acoustically coupled back into the transmission
circuit. Insulating the acoustic coupler from room sounds proved successful in
eliminating the ambient noise level. No difficulty was experienced with the
teletypewriter interface and the transition from 100 wpm to 60 wpm was accomplished
smoothly.
A system such as that mentioned above is obviously expensive; however, there are
situations where the cost would provide effective results. There are many
underdeveloped nations without sufficient funds or technology which could benefit from
the far reaching implications of such a system with regard to their national health. Even
more obvious is the inherent potential of medical signal analysis centers within the
United States.
Continuously monitored ECG’s taken during actual surgical procedures have been
transmitted twice weekly as a trial for about 4 months from the George Washington
University Hospital operating suite to the Medical Systems Development Laboratory for
computer analysis and statistical evaluation. The monitoring system at GWUH serves a
cardiovascular operating room, seven general purpose OR’s, a post-anesthesia recovery
room, and a special care unit. These locations contain only the remote monitors such as
oscilloscopes and/or alarm systems while the signal conditioning and recording
equipment is contained in a central monitoring room. All signal routing, recording, and
display can be controlled by a nurse at this location.
Transmission of the data from the operating room to computer was accomplished by
applying the analog ECG amplifier output directly to a portable acoustically-coupled
dataphone (Bell System X603C) which fits over the transmitting end of a regular
telephone handset. The 603B dataphone receiver at the MSDL was then dialed directly
over the switched network system. The dataphone transmitter is basically a voltage
controlled astable multivibrator operating at a center frequency of 1988 hertz. The
frequency is FM’ed by the ECG data causing a maximum deviation of ±262 hertz. This
is well within the passband of the telephone line and can be heard as a high-pitched
variable tone at the receiving terminal. Demodulation circuitry in the 603B receiver
enables the original ECG to be recovered for presentation to the computer pre-processing
system.

Every 90 seconds the computer prints out 6 time blocks of analyzed data processed
during that period, each time block representing 3.7 seconds of data. It soon becomes
quite evident that a large reservoir of data is piling up; while this may be desirable from
a statistician’s point of view, the operating room team would be more interested in data
reduction techniques which would focus on significant changes or simply indicate no
change.

AN EXPERIMENTAL EVALUATION OF PAM-NRZ/FM
E. D. HEBERLING
Instrumentation Division
Naval Ordnance Laboratory
Corona, California

Summary The results of a hardware evaluation of PAM-NRZ/FM are presented along
with a description of the conditions under which the data were taken. State-of-the-art
commutators, transmitters and receivers procured from commercial sources were utilized
in the evaluation tests. The principal characteristics of PAM-NRZ/FM considered were
data channel response, performance at low signal-to-noise ratios compared to equivalent
FM/FM and PCM/FM systems, linearity, crosstalk, overmodulation, transmission noise,
data resolution, decommutator synchronization and a comparison of performance at
commutation rates of 25,000, 100,000 and 250,000 samples per second. The test data
indicates that PAM-NRZ/FM is capable of 2 to 5 percent data transmission accuracy and
that performance at low RF levels is comparable to that of FM/FM or PCMJFM under
the test conditions specified.
Introduction Although PAM/FM standards have appeared in the Inter-Range
Instrumentation Group (IRIG) Telemetry Standards Document 106 for many years,
implementation of PAM/FM has for the most part been neglected. A first look at the
characteristics of PAM/FM indicates that the data accuracy should fall within 2 to 5
percent, the flexibility of data channel programming by super and sub-commutation is
identical to that of PCM and the maximum data sampling rate for a given RF
transmission bandwidth may even exceed that of an equivalent 2 percent PCM system.
PCM is unquestionably superior and essential for high accuracy data. However, if the
maximum accuracy required is in the range of 2 to 5 percent and the data to be
transmitted are in analog form, then PAM/FM offers a degree of simplicity, efficiency
and economy in the airborne system that is not attainable in PCM since an analog-todigital converter-encoder would have to be added to transmit PCM. The primary
advantages of PAM/FM over FM/FM are flexibility of adjusting the number and
response of data channels and the high data transmission capacity possible with one
transmitter. The following sections give the results of an experimental comparison of
PAM/FM with FM/FM and PCM/FM within the limitations of IRIG Standards.
System Components Commercial equipment was assembled as shown in Figure 1 to
provide individual PAM/FM, FM/FM and PCM/FM systems operating over a common

RF transmission link to assure a realistic comparison of PAM/FM with respect to
FM/FM and PCM/FM. Components of the PAM/FM system obtained from commercial
sources were 25-cubic-inch commutators, 50-cubic-inch S- and L-band transmitters and
RF receivers. An experimental commutator for rates higher than 100,000 ch/sec and the
PAM decommutator were designed and constructed in the laboratory. No external noise
generators, signal modifiers or synthetic test conditions were introduced into the system
from the “Analog Data Input” of Figure 1 to the chart recorder. When exploring
maximum range or low signal conditions, the transmitted signal was attenuated until
receiver noise became a limiting factor.
The transmitting equipment was located in a screen room separate from the receiving and
demultiplexing systems. Receivers, decommutators, subcarrier discriminators, tape
recorder, chart recorder and supporting equipment were rack mounted in the form of a
general-purpose ground station and the various components were interconnected as
required at the ground station patch panel.
System Equivalency The validity of comparing PAM/FM performance directly with
that of FM/FM and PCM/FM is dependent on equivalent data transfer capability in both
quantity and quality in each of the systems under test. The conditions for a given test
were pre-set individually in each type of system. The final chart recordings of
comparison data were made sequentially by mechanically switching the transmitter input
(S1 in Figure 1) from one modulation source to another.
Specifications for FM/FM, PAM/FM and PCM/FM systems considered to be equivalent
for the purpose of the evaluation tests are given in Table I.
FM/FM A commonly used form of the FM/FM system was selected as the basis for
establishing equivalent PAM and PCM systems. The FM subcarriers selected were IRIG
channels 1 through 13, A, C and E with channel E commutated to provide additional
low-frequency data channels. The maximum data response in FM/FM was therefore
1200 cps in channel C.
The relative subcarrier oscillator amplitudes in the system under test were adjusted in
accordance with standard procedures to equalize susceptibility to noise in the subcarrier
discriminators. The subcarriers utilized in the tests were IRIG channels 7, 8, 9, 10, 11, A,
C and E omitting channels 1, 2, 3, 4, 5, 6, 12 and 13 listed in Table 1. It can be safely
assumed that omitting the lower frequency subcarriers offered no disadvantage to
FM/FM performance at low signal-to-noise ratios. A slight advantage would be expected
since the RF deviation ratio for the channels included was necessarily higher to
compensate for the channels omitted. No pre-modulation filter was required in FM/FM.
The receiver video filter cutoff was 100 KC and the discriminator bandpass and lowpass
filters (for IRIG channel C) were 40 KC±15 percent and 1.2 KC, respectively.

PAM/FM A PAM-NRZ commutation rate of 25,000 samples per second with 64
channels per frame and appropriate super commutation as shown in Table I was selected
to provide a sufficient number of data channels with the required response to compare
favorably with the FM/FM system specified. The PAM/FM pre-modulation and receiver
video filters were dc to 50 KC, gaussian. The cutoff frequency was four times the 12.5
KC fundamental of 25,000 PAM-NRZ channels per second.
Automatic calibration correction in the decommutator was utilized in all PAM/FM data
presented. Offset and sensitivity correction was provided by the center zero and full scale
reference levels of the NRZ frame pulse.
PCM/FM A comparable PCM format was readily obtained by substituting six-bit
PCM words for PAM channels. Points of similarity between PAM and PCM were the
commutation rate, 25,000 samples per second; 64 PAM channels and PCM words per
frame; 5 PAM channels and PCM word spaces (30 bits) for frame synchronization; a
super-commutated data channel of 8 samples per frame in each system for comparison
test data; PAM data accuracy nominally 2 percent and 6-bit resolution in PCM. The
PCM pre-modulation and receiver video filters were increased to 100 KC in order to
approach optimum video bandwidth. The video cutoff frequency was 0.67 of the
150,000/second bit rate,
RF Spectrums Figures 2, 3 and 4 show a comparison of the RF spectrums of the
signals under test. The analyzer settings were: Spectrum Width 100 KC/cm, Vertical Log
Scale 0 to -60 db, IF Bandwidth 3 KC. The unmodulated carrier amplitude was set to 0
db.
The criteria selected for RF transmitter deviation were the conditions of equal peak
amplitudes of the PAM and PCM square-wave modulation patterns at the transmitter
input and equal spectrum widths in PAM/FM and FM/FM over the range of -40 db to -50
db on the spectrum analyzer displays of Figures 2 and 3. The transmitter input was dccoupled in PAM and PCM and the RF deviation was set to ±125 KC.
The greater spectrum width in PCM, Figure 4, was due to the increased bandwidth
required to transmit a six-bit data word in the time period of one PAM channel.
Data Channel Response An inherent difference in the characteristics of frequencydivision and time-division multiplexing must be considered in defining equivalent data
channel response in FM/FM and PAM/FM. Low-pass output filters in the subcarrier
discriminators were selected in accordance with IRIG standards for a subcarrier
deviation ratio of 5. The data channel response in FM/FM may be defined in terms of the
low-pass output filter characteristics. The use of low-pass output, filters in PAM and

PCM was optional. PAM outputs are normally derived from digital-to-analog converters
or analog sample-and-hold devices in which the output is stepped to the exact data level
of the commutated input at the time each data sample is taken and between samples, the
output remains static at the previously sampled level. There is no inherent constraint in
decommutation to prevent a full-scale data level shift in one sampling period within the
maximum data accuracy of the system.
Figures 5 through 9 show the response characteristics of comparable FM/FM and
PAM/FM data channels at the highest data channel response in the FM/FM and
PAM/FM systems specified. IRIG subcarrier channel C is compared with a PAM channel
super-commutated every eighth segment in the frame. The PAM data sampling rate was
therefore 25,000/8 or 3125 samples per second. The response to transients and complex
wave forms is compared in Figures 5, 6 and 7. The upper traces show a square-wave
input of 500 cps at the “Analog Data Input” of Figure 1. The lower traces of Figures 5
and 6 show the IRIG Band C subcarrier discriminator output with 1200 cps linear phase
and constant amplitude output filters respectively. The lower trade of Figure 7 shows the
unfiltered output of the PAM decommutator.
The horizontal overlap of square-wave transitions in the lower trace of Figure 7
represents the maximum variable phase delay of 320 ps and is equal to the time between
samples at this sampling rate. It may be observed that the PAM data level shift is
completed to the final data amplitude well within the time of a full-scale transition in the
1200 cps discriminator filters. A low-pass filter in the PAM output was found to be
detrimental in some cases to high frequency data response and amplitude accuracy. One
possible use of an output filter in PAM is shown in Figure 9 where the output data is a
continuous sine wave at the upper frequency limit of the PAM channel response. Under
this condition, an output filter would be useful in restoring the sine wave form for visual
frequency analysis. Figure 8 shows a full-scale modulated I KC sine wave at the output
of the IRIG channel C discriminator. The identical I KC signal in the PAM channel
having a 1.2 KC Butterworth output filter is shown in Figure 9. The PAM data sampling
rate of 3125 per second provided 3.125 samples per cycle at 1 KC.
Comparison Tests at Low Signal-to-Noise Ratios Figures 10 and 11 show the
relative performance of PAM/FM when compared with FM/FM and PCM/FM
respectively under low signal-to-noise conditions. The data modulation was a 50 cps
triangular wave form adjusted at the “Analog Data Input” of Figure 1 to full scale data
modulation in the three systems. The receiver IF bandwidth was 300 KC, chart recorder
galvanometer response 5 KC, and chart speed 16" per second. PAM and PCM
decommutator outputs were unfiltered. The FM/FM and PAM/FM data channels
compared in Figure 10 are the same channels described and compared for equal response
in Figures 5 through 9. The PCM data sampling rate in Figure 11 was identical to that of
PAM.

The PAM format used in the signal-to-noise tests is shown in Figure 12. The test results
indicate that the performance of PAM/FM compares favorably with FM/FM and
PCM/FM at low signal-to-noise ratios under the operating conditions specified.
Detectable noise appeared in the PAM and PCM data at 0 db reference level in Figures
10 and 11, however, the effects of noise in the FM/FM data were greater than in PAM at
-6 db in Figure 10. PAM data was intermittent at -8 db due to loss of frame
synchronization over relatively long periods of time. Figure 13 shows the degraded
quality of the receiver output signal at the threshold of PAM synchronization (-8 db in
Figures 10 and 11).
Effects of Data Modulation on PAM-NRZ Synchronization The number of channel
synchronization pulses derived from PAM-NRZ signals in the decommutator is
dependent on the data levels in adjacent channels being unequal by at least 20 percent of
full scale. False frame signals are introduced into the system if five consecutive data
channels assume the approximate levels of the five true frame pulse segments. The
following tests were designed to compare data quality under ideal and adverse channel
modulation patterns with regard to channel and frame synchronization. The tests were
performed at a low signal-to-noise ratio where loss of synchronization would most likely
occur.
Figure 14 is a reference of data quality at a high signal-to-noise ratio for the test data
presented in Figures 15, 16 and 17. The commutator pattern in Figure 15 shows a supercommutated format of 10 modulated channels in a 60-channel frame. Data amplitudes in
the remaining fixed channels provided the maximum possible number of 58-channel
transitions per frame during part of a 5 cps data modulation period. The number of
transitions varied from 58 to 39 per frame as the modulation level passed from +20
percent through center zero to -20 percent. The decommutator output data at a low
signal-to-noise ratio are shown in the chart recording of Figure 15.
Figure 16 shows a commutation pattern in which the number of transitions varied from
22 to the absolute minimum of 3 per frame as the modulation level passed through center
zero. The chart recording of Figure 16 may be compared with that of Figure 15 for data
quality at the same signal-to-noise ratio.
A false frame synchronization pulse was introduced in the center of some of the frames
in the commutation pattern of Figure 17. The false frame occurred over 25 percent of the
modulation cycle as the data approached maximum positive amplitude. The chart
recording of Figure 17 may also be compared with the recording in Figure 15 at the same
signal-to-noise ratio.

The test results in Figures 15, 16 and 17 indicate that it is possible to maintain adequate
synchronization with minimum loss of data under adverse channel modulation patterns
combined with low signal-to-noise ratios.
Data Quality, Linearity, Resolution and Crosstalk A comparison of the effects of
noise in high and low response PAM/FM data channels is shown in Figure 18 at a low
signal-to-noise ratio. The modulation frequency was 5 cps in both channels. The data
were sampled once per frame in the upper trace of Figure 18 and ten times per frame,
super-commutated in the lower trace. The decomutator outputs were unfiltered. The
characteristics of noise in high and low response PAM/FM data channels were found to
be similar to those of equivalent high and low subcarrier channels in a properly adjusted
FM/FM system.
PAM/FM system linearity from the commutator input to the chart recorder is shown in
the recordings of Figure 19. An adjustable precision dc voltage source was connected to
the “Analog Data Input” of Figure 1. The linearity shown is typical of that found with
several types and combinations of commutators, transmitters and receivers. The principal
source of nonlinearity was traced to the receiver and the system non-linearity varied from
0.5 percent to 1.5 percent with four types of commercially available receivers tested in
the system. Figure 19 also shows typical background noise and data resolution
characteristics that may be expected with a transmitter deviation of ±125 KC in the
2200-2290 MC transmission band. Incidental FM in the transmitter and receiver
appeared in the form of background noise in the decommutated output. The effect was
maximum in Figure 19 where the RF carrier was in the highest frequency transmission
band (2200-2290 MC) and the deviation was the minimum considered suitable for
PAM/FM. Measured incidental FM in the transmitter was ±3 KC. The peak noise level
in Figure 19 was approximately I percent of full scale data.
Data resolution may be estimated by observing the 1, 2 and 3 percent data level steps
identified in Figure 19. A I percent change in data level was easily detectable.
System crosstalk and overmodulation test data and photographs of the commutation
pattern utilized are shown in Figure 20. A 60-channel per frame commutator with every
sixth channel modulated was recorded in the upper data trace at a full scale amplitude of
2 cm. The lower trace shows data in super-commutated segments immediately following
each modulated segment in the commutation pattern with full scale amplitude set to 10
cm on the chart. Both data channels were modulated by the same source at the left of
Figure 20 to establish full scale calibration on the chart. The commutator input to the
lower trace channel was then switched to a fixed dc level. Later in the recording, the
upper trace channel was overmodulated at the commutator input. This was considered to
be the most severe condition for channel crosstalk that would be encountered in practice.

If a significant amount of crosstalk has been introduced within the system, the waveform
in the top trace would have been detectable in the lower unmodulated trace.
Comparison of PAM-NRZ/FM Performance at Commutation Rates of 25,000,
100,000 and 250,000 Samples Per Second The data transmission capacity of
PAM/FM may be increased by raising the commutation rate and scaling up transmitter
deviation, receiver IF bandwidth and video filters within the limitations of the system
components. The system parameters listed in Table II refer to the operating
characteristics under which the data in Figure 21 were taken.
TABLE II
System Parameters for the Test Data in Figure 21

The commutation format remained fixed during the tests and the data channel recorded
was super-commutated at ten channels per frame in a 60-channel frame. Referring to
Figure 21, the top oscilloscope trace at each commutation rate shows an expanded view
of the receiver output signal. Directly below is a dual trace presentation of the receiver
output signal and the decommutated data output with the baseline synchronized to the
data frequency. The nominal high frequency limit of the data channel was 1 KC at the
commutation rate of 25,000 samples per second. Increasing the commutation rate from
25,000 to 100,000 and 250,000 samples per second increased the data channel response
in direct proportion to 4 KC and 10 KC respectively. The decommutated sine wave
outputs of 1 KC, 4 KC and 10 KC are shown in the lower portion of the dual trace
photograph for each commutation rate. Approximately four samples per modulation
cycle were provided at the decommutator output. The waveform was restored by a
Butterworth filter having a cutoff frequency of 1.2 times the modulation frequency. The
sinewave data amplitude was subject to interpolation error under these conditions.
Information relating samples per modulation cycle, filter characteristics and interpolation
error is available in Reference 1.
The chart recordings in the lower portion of Figure 21 show decommutated data at both
high and low signal-to-noise ratios. The modulation signal was 50 cps triangular and

unfiltered at the decommutator output. The system parameters in Table II were arbitrarily
chosen to simulate possible operating conditions in practice.
Conclusions should not be drawn from Figure 21 relative to performance at low signalto-noise ratios without first considering the conditions given in Table II. It may be noted
for example that the 25,000 samples per second commutation rate was given an
advantage in RF deviation ratio. The results of this test show feasibility of PAMNRZ/FM data transmission at commutation rates up to 250,000 samples per second. The
video response of the transmission link, however, was marginal at the highest rate as
may be noted by comparing the square wave response in the RF receiver output
oscilloscope traces at the top of Figure 21.
Conclusions An analysis of the test data indicates that a PAM-NRZ/FM system is
capable of 2 percent data transmission accuracy and the performance at low signal-tonoise ratios compares favorably with FM/FM and PCM/FM under the operating
conditions described herein. It was noted that the comparative performance of the
PAM/FM, FM/FM and PCM/FM systems utilizing actual airborne and ground station
type hardware closely followed the theoretical predictions contained in the Aeronutronic
“Telemetry Systems Study”, Reference 2.
Automatic calibration correction in the PAM decommutator was found to be highly
effective in maintaining data accuracy with receiver detuning and low frequency offset
variations in the receiver video output.
Several equipment requirements are of particular interest in selecting components for
PAM/FM. DC response is required in the transmission link, therefore, dc coupling or dc
restoration must be provided in the transmitter modulator and a dc coupled video
amplifier and filter are required in the receiver. PAM/FM linearity is a function of the
linearity of the transmitter modulator and the receiver discriminator. The ratio of
incidental FM deviation to full scale signal deviation is the major factor affecting
transmission noise at high RF signal levels. Video response in the transmission link
should provide sufficient rise time with minimum overshoot and amplitude distortion
such that the commutator pulse amplitudes approach the final data values at the receiver
output within 25 percent of the channel period after channel “on” time. Insufficient rise
time or overshoot which continues beyond the first quarter of the channel period may
introduce channel crosstalk into the system.
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DOUBLE SIDEBAND SUPPRESSED CARRIER
TELEMETRY SYSTEM1
F. J. SCHMITT
Lockheed Electronics Company
White Sands Missile Range, New Mexico.

Summary Vibration, shock, and acoustic data constitute one of the principal
requirements for wideband telemetry. In order to permit a quantitative comparison of
DSB/FM with the experimental results on constant bandwidth FM/FM for telemetry
wideband noise-like data, a laboratory investigation has been conducted at WSMR. This
paper reports experimental data on RF spectrum occupancy, intermodulation,
performance against thermal noise, and some preliminary data on the effects of tape
recording.
Introduction Based on a survey of the requirements of principal users, desired
telemetry systems characteristics for shock, vibration, and acoustic measurements have
been compiled by an SAE subcommittee and reported by H. Himelblau (1). Vibration
and acoustic data are noise-like and display large crest factors. Analysis of the data link
optimumization for this type of data have been published by several writers (2, 3). The
EMR FM/FM baseband structures study (4) provides data for FM/FM proportional and
constant bandwidth formats. The accompanying paper by M. H. Nichols includes an
interpretation of the data presented herein and insofar as possible compares the DSB/FM
data with the FM/FM data of reference 4. Many of the results are also applicable to
SSB/FM subject to certain restrictions relative to pilot tone, etc.
DSB Test Hardware The DSB test equipment consists of ten channels spaced 8 kc
apart, running from 16 kc to 88 kc.2 Each channel is modulated by a 3 kc pilot tone
which provides power for subcarrier recovery when no data are present and also provides
a reference level for individual channel AGC. The latter provides “closed loop” channel
gain standardization. The 3 kc pilot tone is also modulated directly on the carrier to serve
as the reference for a “fast acting” AGC loop. A detailed description of this equipment is
given in references 5 and 6.
1
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Spectrum Occupancy Tests For the spectrum occupancy tests and all other tests
unless otherwise stated, each channel was modulated by white thermal noise deemphasized by a two stage RC filter with the 3 db point at approximately 1 kc. Four
independent General Radio model 1390 noise generators were used with generator No. 1
modulating the 16 kc and 80 kc DSB channels, No. 2 modulating the 24, 56, and 88 kc
channels, No. 3 modulating the 32, 48, and 72 kc channels, and No. 4 modulating the 40
kc and 64 kc channels. The 3 kc individual channel pilot tones were set 26 db down from
the noise modulation level which was 1.6 vrms. The 3 kc pilot tone directly modulated
on the carrier was 6 db down from the modulated data channels. Two subcarrier tapers
were used. One was flat and the other was 6 db per octave pre-emphasized with
breakpoint at 23 kc. This breakpoint gives constant S/N in the ten DSB channel outputs
at an IF signal-to-noise ratio of 12 db in a 500 kc IF bandwidth. The spectral power in a
3 kc bandwidth was measured with a Hewlett Packard model 310A wave analyzer.
Figure 1 is a block diagram of the set up.
An EMR model 121D FM transmitter at 256 Mc carrier frequency was used. Figure 2
shows the modulation characteristics of the transmitter obtained by the carrier
disappearance method. The deviation sensitivity in the linear range is 89.5 kc per volt.
Out to ± 200 kc peak deviation, the modulation frequency response is flat within -1 db
for modulations of 3 kc to 90 kc. Figure 3 shows the RF spectra corresponding to 110 kc
rms and 78 kc rms deviations with all data channels fully loaded with random noise input
and using a flat subcarrier taper. Note that the IRIG 40 db down requirement at ±320 kc
is satisfied and the 55 + 10 log Pt requirement at ±500 kc is satisfied for a 3 watt
transmitter. Thus, a principal result of the WSMR experiment is that with 10 channels of
2 kc data bandwidth, the link can be modulated 110 kc rms with a flat taper and satisfy
the IRIG 106-66 spectrum occupancy standards. Figure 3 shows, superimposed in
dashed lines, the spectra with all data channel inputs removed so that only the individual
channel pilot tones and the fast AGC pilot tone at 3 kc in the baseband remain. Note that
the airborne AGC maintains the transmitter input essentially constant on an rms basis
because the two rms values of the deviations remain essentially constant. Since the level
of the 3 kc baseband tone is 20 db higher than the individual channel pilot tones, the
modulation for the dashed spectra of Figure 3 is mostly due to the 3 kc baseband tone.
The modulation index for the tone is therefore very high accounting for the two “rabbit
ears.” The dashed spectra of Figure 3 are well within the IRIG 106-66 spectrum
occupancy standards.3 In order to allow for frequency drift, etc., the other tests in this
paper were all run at 78 kc rms.
Figure 4 shows the spectra for the 6 db/octave subcarrier pre-emphasis taper with
breakpoint at 23 kc. The solid lines again are for all channels fully modulated with 1.6
3

It might be noted that had the fast AGC pilot tone been placed at, say, 100 kc, the spectrum
would be much wider.

vrms noise. The rms carrier deviations are noted on the graph. Dashed lines depict the
corresponding spectra with all data channel inputs removed so that only the individual
channel pilot tones and the 3 kc baseband tone remain giving rms carrier deviations of 63
and 45 kc rms. These spectra also satisfy the IRIG 106-66 spectrum occupancy
standards.
Intermodulation and Noise Effects Initially, an attempt was made to locate a
telemetry receiver with intermodulation characteristics similar to the one used for the
EMR FM/FM baseband structure study, reference 4. This proved to be impractical and a
DEI model TR-711 receiver was finally selected for the evaluation. Several 500 kc IF
plug-in strips were tested, and the one showing the least intermodulation effects was
chosen. Figure 5 is a plot of the measured 500 kc IF attenuation and time delay variation
characteristics. As discussed in the following, the notch noise test method for
intermodulation measurement is extensively used in our measurements; however, in
order to compare with the results of reference 4, total harmonic distortion and two tone
intermodulation distortion data were taken using the EMR model 121D transmitter and
the DEI receiver. Figures 6 and 7 give the results for total harmonic distortion and two
tone intermodulation caused by even harmonic distortion. These may be compared with
the corresponding EMR results in reference 4.
The notch noise test method was used extensively for results reported in this paper. This
method has been in use for a long time in frequency division multiplexed commercial
communications systems, and excellent test equipment for a wide variety of frequency
bands is commercially available. The Marconi model OA-2090 white noise test set was
used for the results reported herein. Four notch filter pairs at 14 kc, 34 kc, 70kc and
105 kc were used. Figure 8 provides a graphic representation of the test method, and
reference 7 gives a more detailed explanation of the technique. The notch noise input
spectrum was limited to the band between 12 kc and 108 kc. Figure 9 gives the results of
the notch noise test with a flat taper using the EMR transmitter and the DEI receiver. The
abscissa is the baseband frequency and the ordinate is the ratio of the output of the notch
noise tester with notch out to with notch in. The parameter for the different curves is
(S/N)c, the signal-to-noise ratio in the 500 kc IF. This ratio was measured with the
receiver AGC clamped at -4 volts. The method of measurement consisted of measuring
the output with noise alone and then adding enough signal to increase the output by 3 db.
This establishes the zero db signal level. Figure 9 shows the receiver is above threshold
across the baseband at 12 db (S/N)c because an increase of 3 db in (S/N)c to 15 db
everywhere increases the output S/N by 3 db. Note also that for the very large (S/N)c of
39 db, the output S/N is limited by intermodulation. Comparison with Figure 75 of
reference 8, which was taken with a “super” linear transmitter, indicates that the
intermodulation at the high frequency end is caused by delay variation in the IF and the
intermodulation at the low end by static non-linearity in the radio transmitter. Figure 10
is a corresponding plot for a 6 db/oct. pre-emphasis with breakpoint at 23 kc.

Figure 11 gives a comparison of the DSB channels of approximately the same frequency
as the three lowest notch frequencies. The ten DSB channels were fully modulated with
the four noise generators each at 1.6 vrms. All data were taken with 78 kc rms carrier
deviation, and data with and without the pre-emphasized taper are shown. The dashed
linear characteristic shown represents above threshold performance in the absence of
intermodulation. The DSB characteristic lies above the notch noise characteristic in the
linear range because with the data input noise spectrum, which has a 12 db/octave deemphasis with breakpoint at approximately 1 kc, the DSB modulated spectrum occupies
only about 1/6 of the 96 kc notch noise tester baseband. For this reason, the DSB
characteristic without carrier modulation pre-emphasis should lie about 8 db above the
notch noise characteristic which is in approximate agreement with the data. In the carrier
modulation pre-emphasis case, the fact that the notch noise test baseband spectrum runs
out to 108 kc results in relatively more suppression of the lower frequencies, so the DSB
data should lie several db more than 8 db above the notch noise data since the rms value
of the transmitter deviation is held constant.
Because of the fact that the baseband spectrum of the DSB is centered in approximately
2 kc bands around each center frequency and because each center frequency is a multiple
of 8 kc, the effects of intermodulation on DSB will be some different than in the notch
noise test. For example, with third harmonic distortion, the 24 kc channel, the pairs of
channels 48 and 24, 56 and 40, 64 and 56, and the triplet 16, 24, and 32 all contribute
interference to the 72 kc channel. Also, with second harmonic distortion, the pair 32 and
40 contribute intermodulation to 72kc. As can be seen from references 3 and 8,
intermodulation power resulting from delay distortion is proportional to the square of the
frequency of the intermodulation products, so that it is to be expected that the high
frequency subcarriers such as 72 kc will display more intermodulation than the low, as is
borne out in Figure 11. From Figure 11c, the two characteristics almost coincide at
(S/N)c = 39 db, whereas in Figure 11a, there is about 6 db difference.
The manner in which the (S+N)/N ratio in the output of the DSB subcarrier channels was
measured needs discussion. All the DSB channels were loaded with 1.6 vrms noise,
representing the data signal, as previously discussed. Power output of the channel in
question is then S + N. With removal of the data signal from the test channel input, the
power output becomes N. The DSB channel output power density spectra for S + N and
N were recorded in a 200 Hz bandwidth using a Honeywell model 9050 automatic wave
analyzer.
Examination of the individual DSB channel output power spectrum recordings for large
(S/N)c revealed that for the higher frequency channels, the power density near zero
output frequency (i.e., in the fold over region of the analyzer bandpass filter) was 5 to 10
db higher than at 200 Hz to 300 Hz. By removing harmonically related DSB channels,
this effect was removed. The effect is tentatively attributed to “leak-thru” in the airborne

package of the subcarrier clocks, which are generated at four times subcarrier frequency
and divided down. This is possibly caused by the wiring layout; i.e., it is not a
fundamental DSB property. Figure 1 2 shows the power spectrum for the 72 kc channel
output with pre-emphasis and with (S/N)c = 39 db and (S/N)c = 12 db in the 500 kc IF.4
Note that for (S/N)c 39 db, there is 25 db attenuation in the signal plot which is removed
for the noise plot, and for (S/N)c = 12 db, the corresponding attenuation is 15 db. In order
to avoid this low frequency effect, the power measurements for the (S+N)/N ratios were
made to the left of the rise in the spectrum near zero frequency.
It can also be noted from Figure 11 that for a (S/N)c = 12 db, the preemphasis used
results in fairly constant (S+N)/N of 30 db in the output of the three DSB channels
measured (all ten channels fully modulated).
Tape Effects Direct recorded DSB suffers degradation when recorded on tape due to
four principal causes, namely additive noise, drop out, intermodulation and time base
error.5 As discussed in reference 3, if the phase lock loop used for subcarrier recovery is
sufficiently wide to track the time base error, then this effect is eliminated. However, if ,
(t) is the tracking error, then a multiplier of cos ,(t) appears on the data. To the extent
that cos ,(t) departs from unity, a multiplicative error appears. Tape drop out is really an
amplitude modulation of the output of varying depth and of relatively low frequency.
The high speed AGC using the 3 kc baseband tone as reference is intended to remove
this effect. There is no way with amplitude modulated subcarriers to suppress additive
noise or intermodulation effects, other than to eliminate or reduce their causes.
With predetection recording, tape drop out effects are nearly eliminated by the limiter.
Principal effects are additive noise, intermodulation, and flutter time base error. The
additive noise and flutter are suppressed by the FM improvement, which depends on the
carrier modulation index.
The test procedure used for evaluating the combined effects of the tape consists of
putting a dc voltage into the DSB test channel, all other channels being modulated by 1.6
vrms noise as previously discussed, and measuring the rms value of the fluctuating
component of the channel output. The part of this component due to time base error,
which is multiplicative, is proportional to the dc input voltage. Table I gives the results
using an Ampex FR-600 at 60 ips. For these results, the record/reproduce levels were set

4

Although the manufacturer specified the low pass output filter to be 3db down at 2 kc, it is
actually 6 db down at 2 kc.
5

Time base error is a result of speed variation in the tape as it passes over the record/playback
heads. See reference 9.

at optimum values relative to intermodulation and additive noise. In all cases, the (S/N)c
in the 500 kc receiver IF was 39 db.
TABLE I
TAPE RECORDER EFFECTS

Further tests with tape recording are planned in order to determine the time base error
power spectrum and its effect relative to the bandwidth of the subcarrier recovery phaselock loops.
Miscellaneous Tests were also run to determine static modulation linearity, frequency
response, phase delay, and distortion of individual channels of the DSB test hardware.
For these tests, all channels except the test channel were fully modulated with 1.6 vrms
noise, and the (S/N)c in the 500 kc receiver IF was 39 db. Briefly, the departure of static
modulation from the best straight line was 1.2% for the best channel to 3.2% for the
worst channel. In all channels, the frequency response was down approximately 6 db at
2 kc with the 3 db point at approximately 1.4 kc. Tests showed that all but about 1 db of
this attenuation was due to the low-pass output filter. The total harmonic distortion with
an input frequency of 640 cps varied between 0. 9% for the best channel tb 1. 8 for the
worst.
It should be pointed out that these particular results are characteristic of the DSB test
equipment utilized and at this time, cannot be said to be fundamental limitations of the
DSB method.
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1. SUMMARY
The purpose of this paper is to relate results of ref. (1), the previous experimental paper,
Double Sideband Suppressed Carrier System, by F. J. Schmitt, to theory and to the
application of DSB/FM to wideband vibration type data. Inasmuch as the notch noise
test was one of the basic tools for the laboratory investigation, the notch noise results and
the DSB results are compared. Preliminary data on the effects of tape recording,
including flutter, are discussed. Comparison of CBW FM/FM and DSB/FM for vibration
telemetry is made on the basis of requirements outlined in ref. (2). The experimental data
indicate a 13 to 18 db carrier power improvement of DSB/FM over FM/FM. Reasons for
this improvement are given.
2. NOTCH NOISE RESULTS
Details and application of the notch noise tests are discussed in refs. (1, 3, 4). Fig. 9 of
ref. (1) shows notch noise test results on the radio link utilized for the tests using flat
noise loading band limited from 12kc to 108kc. It was found that with and without the
pre-emphasis schedule used, the optimum level of modulation for the notch noise test
condition was 89kc rms at a carrier signal-to-noise ratio (S/N)c = 12db. For the DSB test
condition, the corresponding levels were 80kc rms and 71kc rms respectively. Fig. 9 of
ref. (1) was run at 78kc rms. Note that the receiver is thresholded across the band for
(S/N)c in the receiver IF of 12 db. The noise bandwidth of the IF is close to 500kc. The
following compares the results with the above-threshold theory for FM receivers.
The two-sided power density spectrum Sdd in the output of the receiver as produced by
the flat noise input from the notch noise tester to the transmitter is
(1)

where
Bb = bandpass of notch noise tester = 108 - 12 = 96kc
fdrms = rms carrier deviation = 78kc for Fig. 9 of ref. (1).
The baseband two-sided noise power density Sbb in the output of the receiver when well
above threshold is given approximately by the formula:
Sbb = f2Snn /S (cps)2 /cps
(2)
where
Snn = two-sided noise power density per cps in IF
S = total signal power in IF
f = baseband frequency.
It should be noted that in the derivation of equation (2), the carrier is assumed to be
unmodulated. Thus from equations (1) and (2) and assuming that Sdd > > Sbb
(3)

where
(S/N)c = signal-to-noise power ratio in IF
B
= noise bandwidth of IF = 500kc.
With the above numbers, the notch noise tester output power density ratio is

(4)
A numerical comparison with Fig. 9 of (1) is given in Table I for (S/N)c = 12 db.
Table I

In interpreting Table I it should be noted that the (S/N)c measurement is good to a db or
so. The experimental data in Table I were not corrected for the intermodulation noise
floor in Fig. 9 of ref. (1) so that, for example, the experimental entry for 14kc is about

0.5 db too low. Also the approximation in equation (3) causes the theoretical entry for
105kc to be about 0.1 db too low. Thus, the agreement of the approximate theory with
the test results appears to be reasonable.
As already mentioned in ref. (1), the DSB/FM tests were made with noise input to the
DSB subcarriers. The input spectrum was de-emphasized by two RC filters isolated by
an operational amplifier with the result that the DSB modulated spectrum occupies only
about 1/6 of the 96kc notch noise test baseband. This explains why, in Fig. 11 of ref. (1)
the DSB data lie about 8 db higher than the notch noise data in the region of (S/N)c
where the intermodulation noise can be neglected. Thus it can be said that as far as IF
thermal noise is concerned, good agreement exists between theory and experiment and
between notch noise test results and DSB test results.
3. EFFECT OF TAPE RECORDING
Direct tape recording of DSB subcarriers introduces degradation due to additive noise,
intermodulation, dropout and flutter. Intermodulation is caused by non-linearity in
amplifiers, etc. The sum of additive and intermodulation noise can be evaluated by the
notch noise test.1 On the Ampex FR 600 recorder used for the results in ref. (1) the notch
results, when optimized for direct record and playback levels, gave the results in
Table II.
Table II
Notch Noise Test for Direct Recording

where
S + N = output with noise generator on and notch out
N
= output with noise generator on and notch in
Nnm = output with noise generator off = noise floor
It is difficult to interpret Table II in terms of any simple model because it appears that the
noise floor swamps out any other effects at the low end of the spectrum. As pointed out
in the previous section, about 8 db should be added to (S + N)/N in the case of the DSB
subcarriers because of the concentration of power in the neighborhood of the subcarrier
1

Spectrum spreading by “modulation noise” can also contribute to the notch noise test. See, for
example, ref. (6) p. 161.

frequencies. This explains the experimental results that with DSB channels noise loaded,
direct recording degrades the results by only a db or so relative to the radio link alone
with (S/N)c = 39 db where (S/N)c = IF signal-to-noise ratio in a 500kc IF.
Table III gives notch noise test results for pre-detection recording on the FR 600 with a
flat input noise spectrum. The 10 mcps IF from the DEI receiver was down-converted to
450kc. Play-back was through an EMR model 270 discriminator at 450kc. The (S/N)c in
the 500kc IF was 39 db and 12 db and the figures entered in the table are (S + N)/N out
of notch noise tester.
Table III
Notch Noise Test for Pre-Detection Recordin

By comparison with Fig. 9 ref. (1), it is seen that at (S/N)c = 12 db and 39 db, very little
noise is added by the recording.
Noise loading tests do not effectively show up effects of tape flutter, drop-outs and
“modulation noise.” Modulation noise is an amplitude modulation of the direct recorded
signal which is explained by the aggregation of magnetic particles during tape
manufacture - see ref. (6) p. 161. It would appear that this is akin to drop-out and might
be classed with it. The fast AGC, referenced to the 3kc baseband pilot tone in the DSB
equipment tested, reduces the amplitude modulation due to these effects but the
reduction is limited by the gain and bandwidth of the AGC loop. The resulting error is
multiplicative - i.e., to first approximation it is proportional to the data modulation. In
the equipment tested, the 3 db point of the fast AGC is approximately 80 cps.
Tape flutter and drop-out effects may be analyzed as follows: Flutter is a result of tape
speed variations. This may be viewed as an error in the time base. We assume that the
average speed of the tape is held constant by the transport servo at so inches/sec. The
instantaneous speed is then written as s0 + )s(t). The instantaneous time base ((t) is then
where
(5)

Suppose that the DSB subcarrier of frequency Ti rad/sec is modulated by a data signal
f(t). Then the corresponding direct-record output is
(6)
where a(t) is the fractional amplitude error resulting from imperfect AGC based on the
amplitude of the 3kc baseband pilot tone, f(t) is the data signal and wi is the subcarrier
frequency. In order to obtain a reference tone for coherent demodulation, the signal of
equation (6) is passed through a nonlinear device and a harmonic is filtered by a phaselock-loop. If the nonlinear device is square-law, for example, then
(7)
A limiter ahead of the PLL can be used to reduce the amplitude modulation on the
second harmonic.2 Let the PLL error in tracking the phase 2Ti0(t) be 22(t). Let the PLL
vco output, y(t), be written as
(8)
The signal y(t) is passed through a frequency divider to halve the frequency. This gives
the demodulation reference tone, r(t),
(9)
The filtered output p(t) of the product demodulator is
(10)
Thus an error ,(t) results. If 2(t) << 1 radian, then cos 2(t) – 1 - 22(t) / 2 and if a(t) << 1,
then the fractional error ,f(t) is given approximately by3
(11)
Note that the error involves f(t) as a product and it is thus a multiplicative error.

2

In the DSB test equipment use( for ref. (1) the nonlinear device is a Schmitt trigger similar to
the method often used in PCM bit synchronizers. The subcarrier pilot tones serve to provide
subcarrier zero crossings when the data signal is zero.
3

For SSB, an equivalent procedure gives ,f(t) – a(t) - 2(t). See, for example, ref. (5) p. 7-72.

Equation (11) applies to direct recording. With pre-detection recording the recorder
output to the discriminator ma be written

(12)
where )Ti = carrier modulation by the ith subcarrier and $ is a variable of integration.
The carrier discriminator output e(t) is given by differentiating the phase in equation (12)
with respect to time, it being assumed that tape drop-out and modulation noise have been
removed by the limiter ahead of the discriminator.
(13)
where Kd = discriminator gain constant. We may assume that the discriminator is tuned
to T0 so the term T0 in equation (1 3) vanishes. Thus we see from equation (13) that
flutter introduces an additive term KdT0)s(t) /s0 plus the multiplicative term
Kd)Ti)s(t)/s0 . However, since )s(t)/s0 is usually very small compared to unity, the
multiplicative term can be neglected. Thus, proceeding as in the direct-record case, the
fractional error for pre-detection recording is, approximately,
(14)
The amplitude error a(t) appears in equation (14) because fast AGC tracks the additive
error which is a function of baseband frequency.
A preliminary test was run to estimate ,(t). For this test, the 16kc, 56kc and the 88kc
DSB channels were modulated by a DC voltage (plus the subcarrier pilot tones) and the
fluctuating component on the DSB output from these channels was measured by an rms
meter. The radio link was used, being modulated 78 kc rms and (S/N)c = 39 db. All other
DSB channels were fully modulated by noise. Table IV summarizes the results. This
table of results must be considered as preliminary test results. Also, other test data such
as tape flutter spectral density, spectral density of the output of the DSB channels
configured for Table IV etc., have not been acquired and checked so that quantitative
interpretation is not possible at this time. However, certain trends are evident. In all
cases, the rms value of the noise on the DC voltage increases with increasing DC voltage
as predicted by equations (11) and (14) where f(t) is taken as the DC modulation voltage.
However, the nature of the variation is different with the different channels. From
equation (6) it is seen that the subcarrier phase modulation due to the flutter is
proportional to Ti, the subcarrier frequency. Since the closed loop bandwidth of the
channel PLL are all approximately the same, namely about 50 cps, the rms value of the
untracked phase error should be proportional to Ti. The noise for the pre-detection case

increases as the channel frequency increases but not as fast as predicted. The
postdetection (or direct) case shows most of the noise at the low frequency end. Thus it
is apparent that the data in Table IV are the result of several effects. Further data will be
required in order to separate the effects and to permit quantitative evaluation of each.
Note that the worst case is the 16kc channel on post-detection recording. The rms noiseto-peak-to-peak signal ratio here is less than 3%.
Table IV
Tape Recorder Effects Test

4. COMPARISON OF SDB/FM WITH CW-FM/FM FOR VIBRATION AND
ACOUSTIC DATA
In order to compare different methods of modulation and multiplexing, it is necessary to
specify the nature and requirements of the data to be transmitted. For purposes of
comparison here, the requirements for vibration and acoustic data compiled in ref. (2)
will be used. Briefly, these are, assuming a 2kc data channel and using the notation of
ref. (2),
data crest factor K = 3
modulation safety factor M = 2
upper break point frequency fm/a = 1kc
lower break point frequency fm/b = 0

required data spectral density-to-noise spectral density ratios
R1 = R2 = 10
With these numbers it is shown in refs. (5) and (7) that with CBW FM subcarriers and
with no data pre-emphasis, a peak-to-peak signal-to-rms noise ratio of 46 db is required.
Basically, the reasons for this rather large required S/N is the crest factor K, the
modulation safety factor M, the triangular subcarrier FM noise spectrum, and the - 12 db
per octave roll-off of the data with break point at fm/a. Figures 1 and 2 are taken from ref.
(5) and summarize the constant bandwidth FM/FM data published in ref. (8). It should be
noted that in these figures the output signal-tonoise ratio (S/N)d is in terms of rms fullmodulation sinusoid-to-rms noise. The 46 db peak-to-peak signal-to-rms noise ratio is
46-9 = 37 db in terms of rms full-modulation sinusoid-to-rms noise. From Figs. 1 and 2 it
is seen that with the 21 channel CBW format or the 21 channel CBW plus 11 channels of
proportional bandwidth format, the requirement is just barely met with D = 2 because of
intermodulation. and system noise. If we assume that the 24db (S/N)c in 500kc IF
characteristic is essentially free of residual noise and intermodulation, then on this basis,
an (S/N)c value of about 34 db in 500kc is required for Figure 1 and about 31db for
Figure 2.
Uglow (9) has pointed out that the new IRIG 106-66 requirements for VHF allow
heavier carrier modulation than assumed for the experimental results in ref. (8). Based on
the property of the Bessel function Jn(x) of the first kind that the first term in, the power
series expansion is proportional to xn if n is a positive integer, Uglow has shown that
43kc rms deviation, instead of 27kc rms in Fig. 1, could be used if the transmitter power
is held to 10 watts. Similarly, for Fig. 2 the deviation could be increased to 66kc rms for
the CBW multiplex. Of course, no benefit, or even degradation, would occur unless the
intermodulation effects were reduced by using a wider IF bandwidth filter or by an IF
designed for less delay distortion - see, for example, ref. (4). (It should be noted here that
IRIG 106-66 in L and S band telemetry requires that the power in any 3kc bandwidth be
down 60 db as compared to 40 db for VHF This will be more restrictive on low index
FM, as with CBW FM/FM than a higher index FM as with SSB/FM or DSB/FM.)
Assuming that improvement is not restricted by residual noise and intermodulation, as
noted, then the improvement for Figure 1 would be 4 db and Figure 2 would be improved
by 3 db. Now since Figures 1 and 2 are for 21 channels of 1kc bandwidth with D = 2, a
correction is required to compare with 10 channels of DSB with 2kc bandwidth keeping
D = 2. From eq. (7.2.25a) of ref. (5) it is seen that a 3 db improvement must be allowed.4
Again neglecting residual noise and intermodulation, the 37 db (S/N)d requirement
4 Equation 7.7.25a is in error. It should read

demands that (S/N)c = 34-7 = 27 db in 500kc for 10 channel CBW FM/FM and (S/N)c =
31-6 = 25 db in 500kc for 10 channel combinational FM/FM.
From Figures 11 and 12A of ref. (1) it is seen immediately that with 78kc: rms carrier
deviation with pre-emphasis, the vibration and acoustic requirements listed are satisfied
by over 5 db at (S/N)c = 12 db which, as indicated in Section 2, is the carrier threshold
using the conventional discriminator. If the 110kc rms deviation which just satisfies
IRIG 106-66 for VHF - see Fig. 4, ref. (1) - were used, then a further 3 db improvement
would result if a lower threshold demodulator were available, assuming of course that
intermodulation noise is not a restriction. Thus it is seen that even if intermodulation is
neglected 16 to 18 db more carrier power is required for CBW FM/FM than for
DSB/FM. A fundamental reason for this is that in the case of FM/FM the radio link is
loaded by the FM subcarriers whether the subcarriers are modulated with data or not. In
DSB or SSB the subcarrier amplitude is proportional to the data. If the data signal is
zero, the amplitude is zero. Also, in FM/FM the crest factor K and the modulation safety
factor M requires that the data link meet the requirements when the rms value of the data
is one twelfth the peak-to-peak modulation range of the FM subcarrier! In DSB and SSB,
the AGC takes care of the modulation safety factor M and the important crest factor is
the crest factor of the sum of all the modulated subcarriers since this determines the peak
modulation of the radio link.
From a practical point of view, most of the receivers on the ranges and probably most of
the commercially available transmitters display about the same amount of
intermodulation as in ref. (1) and (8). With ten channels of 2kc data bandwidth and
D = 2, Figures (1) and (2) indicate that 27 to 30 db (S/N)c in a 500kc IF is required to
meet the 37 db (S/N)d- This is 15 to 18 db more than required for the DSB/ FM as shown
by the results of ref. (1).
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CARRIER SYNTHESIS FROM PERTURBED DSB /SC SIGNALS
R. S. SIMPSON and W. H. TRANTER
Department of Electrical Engineering
University of Alabama

Summary In suppressed-carrier AM-baseband systems, the process of synthesizing
carriers necessary for demodulation usually constitutes a difficult problem, especially
when noise or recorder flutter is present. In this paper a particular scheme1, which
synthesizes a demodulation carrier directly from a DSB/SC signal, is investigated for the
purpose of determining the effect of noise and recorder flutter upon each of the various
elements in the carrier synthesis loop. Curves are presented which illustrate the
relationship between phase error in the demodulation carrier and various system
parameters.
Introduction A block diagram of the carrier synthesis scheme under consideration is
illustrated in Figure 1. The channel filter output is assumed to have the spectrum
illustrated, which consists of data and a pilot tone, both translated to the channel
frequency, Tc. The pilot insures that the input signal to the carrier synthesis loop exists
when there is no modulation and provides a means for automatic gain control. In the
carrier synthesis loop the DSB signal is limited, differentiated, and rectified to produce a
series of impulse functions, which are used as triggers for a monostable-multivibrator
(MSMV) of duty cycle A. The phase-locked loop (PLL) is assumed to track the
fundamental of the resulting pulse train, which, after phase correction and division by
two, yields the desired demodulation carrier. The need for phase correction results from
the inherent 90E phase shift in the PLL and the phase shift caused by the MSMV if ) is
different from 50 percent.
This carrier synthesis scheme can be adversely affected by noise and tape recorder flutter
as well as by zero crossings of the modulating signal. In this paper several problems
resulting from these phenomena are analyzed to determine the duty cycle of the MSMV
and to predict the relative magnitude of the phase error attributable to each source.
Specifically, the analysis concerns the effect of
(a) modulation zeros,
(b) flutter on sinusoidal modulation,
(c) large ) in the presence of noise and flutter, and
(d) channel noise on the PLL output.

Effect of Modulation Zeros An understanding of the mechanism by which modulation
zeros affect the carrier synthesis scheme can be obtained from Figure 2. The limited
DSB/SC signal is a periodic pulse train except in the region of a modulation zero
crossing. When this signal is differentiated and rectified, a series of impulses are formed,
which act as triggers for the MSMV. The MSMV output consists of a pulse train whose
leading edges correspond to the carrier zero crossings except for the pulses perturbed by
modulation zeros. Observation reveals that modulation zeros result in shifted pulses
when they occur during the MSMV “off” time and have no effect otherwise. The shift is
always in the same direction, and the PLL responds to these pulses in a manner
dependent upon the loop bandwidth. If the loop bandwidth is sufficiently large,
significant phase errors in the demodulation carrier may result.
The probability that a pulse in the MSMV output will be shifted is of interest. If we
consider the modulating waveform to have an “ideal” low pass spectrum of bandwidth
" Hz, the average number of zero crossings per second2 may be written as
(1)
If the MSMV duty cycle, ), is 50 percent or greater, no additional pulses can be inserted
in the MSMV output by modulation zeros, and the number of pulses per second in the
MSMV output is constant at 2fc. Therefore, the probability of a shifted pulse, P(SP), is
the ratio of perturbed pulses to total pulses in the MSMV output or

This yields
(2)
which is plotted in Figure 3 for three different values of MSMV duty cycle.
It is necessary to examine the behavior of the PLL to determine the effect of a shifted
pulse on the demodulation carrier. To accomplish this requires consideration of the
statistics of the shifted pulse. A modulation zero has equal probability of falling
anywhere in a carrier period. Therefore, the probability density function describing the
time shift will be uniform from zero to the total “off” time, (1 - ))/2fc. The average time
shift is therefore (1 - ))/4fc, which corresponds to a phase shift of B(1 - )) radians at 2fc.
The peak phase shift of the PLL output corresponding to the average shift of an input
pulse can be obtained by considering the perturbed pulse to be a phase pulse, of 1/2fc
duration, applied directly to the PLL. The amplitude of the pulse will be B(1 - )) radians.

The PLL is assumed to have a response with exponential envelope, exp (-(TnT), where (
is the loop damping and Tn is the loop natural frequency.3 The response n
to the pulse will therefore be
(3)
for
Therefore, for the average phase shift, the peak phase error, 2p, in the demodulation
carrier (at a frequency fc) is
(4)
which is plotted in Figure 4 for (=0.707, Tn =2B(500), and several values of ). As the
product (Tn increases, the PLL has less of a smoothing effect, and the peak phase errors
become correspondingly higher. This analysis is based upon the linear model of the PLL
and assumes that lock is maintained.
Figure 3 indicates that for reasonable values of fc/" the probability of a shifted pulse is
low. Figure 4 indicates when a shifted pulse does occur, the peak phase error for the
average shift is small, particularly if the MSMV duty cycle and the carrier frequency are
high. As a rough rule it is concluded that the effect of modulation zeros will be
negligible, i.e., the peak phase error will be less than approximately three degrees, if fc is
greater than 5 " and 15 kHz, and if ) is greater than 70 percent.
Effect of Flutter Upon Sinusoidal Modulation Ideal tape recording assumes that the
tape velocity is constant during the record and,playback processes. In actual practice this
is never attained, and all recorded signals are perturbed by recorder flutter, which is
defined as the normalized instantaneous variation of the tape velocity from the mean tape
velocity. The most significant effect of flutter is a perturbation of the time base, which is
usually represented by h(t) and called time-base error (TBE).4 For example, if a recorded
signal is of the form
(5)
the playback signal is approximately given by the expression
(6)

or
(7)
where
(8)
Thus, the signal undergoes a phase perturbation which is proportional to its recorded
frequency, T. This approximation is valid for both predetection and post-detection
recording if the peak value of the flutter is small.
The representation for flutter given in (8) may be utilized to determine the effect of
flutter upon the system for sinusoidal modulation. It has been shown5 that if a DSB/SC
signal is perturbed by flutter and passed through a linear channel filter, the result is

(9)

where

This signal represents the input to the carrier synthesis loop.
The response of the carrier synthesis loop to e2(t) may be understood by recognizing the
fact that the limiter removes the amplitude information and retains the zero crossings. If
the zeros of the modulation are neglected, the limiter output consists of the carrier zeros
and has the same perturbations. Assuming the PLL to have sufficient bandwidth to track
the variations due to flutter, the demodulation carrier becomes (9) with Tm = 0, which
yields
(10)
In actual practice, the PLL bandwidth is made only large enough to track the flutter
components which yield the large phase errors. Bandwidths on the order of 200 Hz are
appropriate to meet this requirement. If this bandwidth is made too narrow, the

demodulation carrier does not have the proper phase relationship, and additional
distortion terms result.
Multiplying (9) and (10) and filtering out the 2Tc components, yields
(11)

for the demodulated output. Term A is the desired output since the modulating signal
was cos Tmt , Term B is a time delay, and Terms C and D are distortion terms resulting,
from flutter. An analysis of an older recorder indicates that Terms C and D have typical
peak values of 10 degrees and 0.1 degrees, respectively, for an Tm of 3 kHz and an S of
10-4 seconds. Thus, Term C is of significance and Term D is negligible.
Effect of Large ) in the Presence of Noise and Flutter Increasing ) to minimize the
effect of modulation zeros can lead to other difficulties, the most important of which
results from additive noise in the baseband. To analyze this difficulty let the modulating
signal be constant at unity. Under this condition, the expression for the input to the
limiter is
(12)
where n(t) represents the additive noise which is narrowband by virtue of
the channel filter. Therefore, e2(t) may be written as
(13)

(14)

exceeds Tc/). Thus, PDO occurs when
(15)
Since PDO can have an adverse effect on the PLL such as causing it to lose lock or to
lock on the wrong frequency, it is of interest to determine the probability of the
occurrence of the condition stated in (15) given fc , ), and the noise statistics.

Figure 6 illustrates that the probability of PDO is highly dependent upon the ratio of the
channel carrier frequency to the noise bandwidth, and thus it may be of signif icance in
wideband, low-carrier-f requency channels. The effect on such channels is illustrated’in
Figure 7 for the case of a 3 kHz channel at a carrier frequency of 15 kHz. As the signalto-noise ratio and the channel carrier frequency increase, the effect becomes negligible.
PDO results because of the frequency deviation due to noise. Tape recorder flutter also
produces frequency deviations, and it is interesting to compare the two. The analysis will
be performed by assuming the frequency deviation due to flutter to be approximately a
Gaussian distribution having zero mean. If the peak frequency deviation of a carrier due
to flutter is
(16)

(17)
From (15)
(18)

(19)

(20)

If (20) is placed in the form of a normal distribution, the result is

(21)

where
(22)

Substitution of (17) into (22) yields
(23)

which indicates that the P(PDO) due to flutter is dependent upon the MSMV duty cycle
and peak flutter. It is independent of the channel carrier frequency.
A typical value of gpeak is 0.12 percent which, when used with a ) of 90 percent, yields
> = 280. Substitution of this value into (21) illustrates that P(PDO) due to flutter is
negligible. Thus, noise is of principal interest in computing the probability of PDO.
The Effect of Channel Noise on the PLL Output Noise which falls within the
channel bandwidth affects the stability of the demodulation carrier and is of interest in
predicting system performance. The perturbations of the signal zero crossings are
random and have an rms value iven by Rice’s work as
(24)

where S/N represents the average signal-to-noise ratio in the data channe . This equation
is plotted in Figure 8.
The rms value of jitter on the PLL output is less than that predicted by (24) because of
the additional bandlimiting action of the PLL. The variance of this jitter may be written
as

(25)

Other Effects of the MSMV Duty Cycle Two other effects concerned with the
MSMV duty cycle are related to the reference phase and amplitude of the fundamental
frequency component of the MSMV output. The amplitude of the fundamental is
proportional to sin B) and is a maximum for a ) of 50 percent. Therefore, if a larger
duty cycle is used, less than maximum power is contained in the fundamental.
The reference phase of the fundamental is given by
(26)
If ) is 50 percent the fundamental has a zero reference, but for other values of ) the
reference phase is not zero and phase compensation is required. A dynamic phase term
also arises because of the change in ) as the instantaneous frequency varies, but the term
is negligible for signal-to-noise ratios greater than 15 db.
Conclusions Modulation zeros cause perturbations in the form of shifted pulses in the
MSMV output, which yield phase errors in the synthesized demodulation carrier. As a
rough rule it may be stated that if the carrier frequency is greater than 5 times the
bandwidth of the modulating signal and if the MSMV duty cycle is 70 percent or greater,
the probability of a shifted pulse is low. For a carrier frequency greater than 15 kHz the
PLL response is negligible.
For low signal-to-noise ratios two additional problems arise. The first problem is pulse
dropout, which results from making the MSMV duty cycle large to minimize the effect
of modulation zeros. The perturbation depends upon the carrier frequency, the MSMV
duty cycle, the channel bandwidth, and the signal-to-noise ratio. For 3 kHz channels this
effect appears to be negligible for a carrier frequency greater than 15 kHz, a duty cycle

greater than 70 percent, and a signal-to-noise ratio greater than 15 db. The second
problem results from noise power on the PLL input giving rise to phase jitter on the PLL
output. This effect appears to be negligible for a signal-to-noise ratio greater than 20 db.
For high signal-to-noise ratios the perturbations due to noise appear negligible.
However, tape recorder flutter results in dynamic phase perturbations having peak values
as high as 10 degrees for a recorded 3 kHz sinusoid. The need for recorders with low
peak time-base-error is evident.
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Summary This paper describes a real-time computer-controlled telemetry system that
can accommodate a 100 kc sample rate. The system’s operating structure allows highspeed, asynchronous PCM data to be simultaneously decommutated, compressed,
displayed, and merged. Data generated during test firings of the U. S. Navy’s Poseidon
missile will be reduced and processed by this system. Emphasis of the paper is on a
description of the telemetry system’s hardware and software.
Introduction Lockheed Missiles and Space Company, located in Sunnyvale,
California, will use an SDS computer-controlled telemetry system to process and analyze
data transmitted from Poseidon missiles under test. The missiles will be test fired at the
U.S. Navy’s missile range in Florida. Three antennas will track the missiles as they cross
over the range. Data transmitted from the missiles will be recorded. As illustrated in
Figure 1, the three antennas will have at least two overlapping acquisition ranges.
Each test firing will produce at least one analog-tape acquisition from each receiving
ground station. To obtain the best data from each test firing, the overlapping acquisitions
will be merged, on a frame by frame basis, into one “best composite” link. Acquisitions
will be fully decommutated, compressed, displayed, and stored or merged, while running
at a 100 kc input word rate or at a 1.2 mc input bit rate.
Typical processing tasks that will be delegated to the system include:
S
S
S
S
S

Compiling PCM format programs for use in performing the systems
decommutation function.
Decommutating seven links of PCM data from each of the three overlapping
acquisitions and displaying selected measurements during decommutation.
Selecting the best data from the three acquisitions and merging these data into
seven files, each representing a “best composite” link. The seven merged links will
comprise approximately 140 million data points.
Maintaining the seven merged links in mass storage for rapid data retrieval.
Compressing selected measurements where desirable

S
S
S

Sorting data into separate files by measurement number while maintaining time
correlation.
Converting selected measurements to engineering units.
Reconstructing time-correlated analog waveforms from the measurement strings.

New data-compression procedures had to be developed for this system because of the
high-speed, high-volume data requirements of the Poseidon test program. Previously
implemented data-compression procedures that use software algorithms would be
impracticable in this system because they limit system throughput to approximately a
30 kc sample rate. Realtime merge capabilities also had to be developed for this system,
to shorten the time between tape playback and the preparation of the “best composite”
link. Merge operations are common in the telemetry industry; but the requirement to
merge in real-time, at a 100 kc sample rate, is unique. A decision has to be made at every
frame interval as to which acquisition contains the best data. An absolute determination
of data quality at a 100 kc sample rate requires substantially more information about the
quality of the data in each frame than has been previously available. Frame-sync status
information alone is not sufficient. It is necessary to evaluate (1) if any bursts of noise
occurred during the frame, (2) if bit slippage might have occurred, (3) if any
subcommutators were out of sync during the frame, and (4) the actual number of framesync errors that were encountered at frame-sync time.
System Description The Flight Data Processing System will be composed of two
asynchronous PCM telemetry subsystem, a central processing unit (CPU), a central
console, and peripheral devices.
Both PCM telemetry subsystems will be capable of operating simultaneously. In the
normal mode of operation, one PCM telemetry subsystem will input data fo’r merging
and the other subsystem will be used to edit tapes.
As illustrated in Figure 2, the system’s CPU is an SDS Sigma 7 computer with a memory
capacity of 49,152 32-bit words. Memory cycle time is 850 nanoseconds. The memory is
in three banks of approximately 16, 000 words each. This separation allows interleaving
and overlapping of memory cycles for higher data throughput and processing. Each
memory bank has a six-way access that provides a unique access port to memory for up
to six processors, and provides for the use of 1.17 million memory cycles per second in
each bank.
Five of the six external access ports will be used in the Flight Data Processing System.
The sixth port will be reserved for future expansion. One of the access ports will be
connected to the CPU, two ports will be connected to the multiplexing input/olitput
processors (MIOPs), one port will be connected to a selector input/output processor
(SIOP), and one port will be connected to the telemetry subsystem.

The MIOP will provide simultaneous, automatic I/O control and data transmission.,
without CPU intervention, for up to 32 separate I/O devices.
The SIOP will be used for very high-speed data transfers (1 F sec per 32-bit word) and
will handle both byte-oriented and word-oriented devices.
All I/O operations will proceed independently of the CPU and require initiation only.
The CPU is a 32-bit, binary, word-parallel arithmetic unit containing an instruction set
for byte, halfword, doubleword, double-precision, and floating-point operations.
Multiple register blocks, consisting of 16 general purpose registers, will be provided.
Any register will be available for use as an arithmetic or high-speed scratch-pad register;
seven registers will be available for use as index registers; four for decimal arithmetic
accumulators. The multiple register blocks will allow high-speed response to external
stimuli. Overhead time and space associated with saving, loading, and restoring CPU
registers will be eliminated. Each program will have a register block dedicated for its
sole use. The CPU will use an automatic displacement technique when indexing. This
will allow a single index register to be used for operations involving bytes, halfwords,
words, and doublewords.
The CPU will also have a priority interrupt structure that win give each of 237 possible
interrupts a unique location in memory, a unique priority, and a capability of being
armed and/or enabled by the CPU. For program debugging, an external interrupt
triggering capability will be built into the CPU. This feature will allow the CPU to
automatically trigger external interrupts.
Computer peripherals will include the following:
S
S
S
S
S
S
S

Card reader - 800 cards per minute
Card punch - 300 cards per minute
Line printer - 1000 lines per minute
KSR keyboard/printer
Three 9-track magnetic tape transports - 120 K bytes/sec.
Two 7-track magnetic tape transports - 60 K characters/sec.
Rapid Access Data (RAD) Storage Unit - 188 megabytes of storage; 345 K
bytes/sec transfer rate; 17 millisecond average access time, which can be further
reduced to 6 milliseconds by programming for immediate access data transfers.

The RAD storage device is the heart of the system. Real-time merge operations could not
be accomplished without the use of its programmable low-access time and high capacity.

The system will also have a free-standing operator’s control and display console that will
allow hexadecimal entry and display. Total system status will be instantly and totally
presented for easy monitoring of system performance. In addition, the console will
display instruction execution rates to give a continuous overview of problem execution
speed and “dead time” in programs.
Telemetry Subsystem As illustrated in Figure No. 3, the telemetry subsystem will
consist of the following modular elements: bit synchronizer, telemetry data channel,
input formatter, cyclic interlace unit, PCM simulator unit., telemetry control unit, manual
control and display unit, and a DAC subsystem.
The bit synchronizer can accept PCM data from a receiver, a tape reproducer, a hardwired link, or from the system’s simulator unit. In actual operation, these signals are
often highly degraded by perturbations such as noise, jitter, signal fading, wow, flutter,
etc. The bit synchronizer will receive the degraded signals, adapt itself to the various
signal perturbations, and reconstruct the signals to -generate a clean binary bit stream
and synchronous clock signals. These signals will then be routed to the telemetry data
channel.
One of the more unique features of the bit synchronizer will be its ability to flag a bit
decision that is uncertain. Whenever the bit synchronizer has to make a binary decision
in the serial data train, where the height of the pulse is within an operator-set voltage
aperture, the synchronizer will output a pulse on a separate status line. The uncertainty
pulses coming out of the status line will then be accumulated over a main-frame time
interval and used as a supplement to the frame-sync pattern recognition logic, to give a
better indication of main-frame data quality. Loop bandwidth will be controlled by the
synchronization status of the total subsystem, rather than the signal-to-noise
characteristics of the incoming data stream. By using a search-verify-lock status to make
filter changes, the bandwidth will be related to the quality of the data that the frame-sync
pattern recognizer has received.
All controls of the bit synchronizer will be directly addressable by the computer through
the telemetry control unit. This means that the signal source, PCM code type, bit rate,
loop bandwidth, tracking range and signal polarity will be capable of being changed,
under control of the computer program, at any time during a run. This will allow the
computer to detect changes in input signal characteristics and make on-line, realtime
changes to the initial set-up parameters. Data quality can therefore be optimized.
The telemetry data channel will receive serial data and clocking signals from the bit
synchronizer or from the PCM simulator directly, and will perform the following
functions: (1) buffer input data, (2) recognize frame and subframe code patterns, (3)
perform digital recognition of patterns up to 36 bits in length which contain up to 9

random errors (4) tag input data words with identification codes, (5) permit handling of
variable length (1-18 bits) words within a format (longer word lengths handled as
syllables), (6) py9vide automatic bit-slippage correction of up to 3 bits in the input data,
(7) provide for word reversal (LSB/MSB) on each word of data, (8) allow bit
synchronizer performance monitoring using the uncertainty bit count per frame, and (9)
provide data input directly from parallel PCM digital tapes.
Frame-sync detection will be Performed by an addressable pattern recognizer that uses
digital correlation logic. Use of digital logic in the correlator will allow the system to
obtain the exact number of frame sync errors at every bit time, and will allow a more
accurate determination of data quality at frame-sync time.
The data channel will operate with the input formatter to perform data compression and
decommutation. The input formatter will perform one of four functions as determined by
its control logic:
Inhibit
Force
Compress

- no data provided to memory
- data with identification entered into memory
- data and identification entered into memory only if the present
data value fails its compression algorithm
Exclusive OR - compares each new data bit to the previously attained bit. Only
data that has changed is entered in memory.
The input formatter will perform synchronization, decommutation, and data compression
by executing format command instructions under control of the PCM acquisition
program stored in memory. Instruction execution will be independent, asynchronous, and
simultaneous with the computer CPU instruction execution. The input formatter will be,
in effect, a special purpose CPU. It will contain a program counter, an arithmetic unit, an
address modification capability, an instruction holding register, and a register to specify
the location of the next instruction. The following indicates some of the more important
instructions that will be implemented in the input formatter.
64-Bit Command Word Format

Operation Code
Halt
Fetch

Flag

Force
Inhibit
Compress

Limit

- Used to stop the accessing of new command words.
- Performs a read direct function. Used to fetch the contents of one
of several registers and to insert the contents of the register into
the data stream. Time and data-quality status are examples of
information fetched and placed into the data stream.
- Used to insert the contents of the least significant 32 bits of the
command word into the data stream. This instruction can also be
used to place header identification into the data stream.
- Causes a PCM sample to be unconditionally input to memory
along with an identification tag.
- Unconditionally inhibits the PCM sample from entering memory.
- Used to perform the comparison
[D-P] < T
where D = input sample
P = previous data sample accepted of same channel
T = tolerance
With this floating-aperture technique, if the sample fails
compression, the sample is input to memory and is used to update
the P field in the
command word. If the sample passes
compression, it is not input to memory and the P field remains the
same.
- Used to perform the following operation
L1 SD <L2
Where D = input data value
L1 = lower limit value
L2 = upper limit value
If the value is within the limits it will not be input to memory; if it
is outside the limits, it will be input to memory.

Exclusive OR -

Slope

Performs an exclusive OR operation of the type

Where Pn = bit of previous data word
Dn = corresponding bit of present word
Rn = resulting word from operation
If a change has been detected between the previous value and the
new value, the changed bit, is flagged and input as a binary one.
The previous data value is updated with the new data value.
- Performs comparisons identical to those of the Compress
operation; however, the first sample to fail compression is not
input to memory and the P value is unchanged. If the next sample

of the same word fails the comparison, then the new data is input
to memory and also replaces the P value in the command word.
Slope, therefore, performs a floating-aperture compression with
“wild” point suppression for noise rejection.
The cyclic interlace unit will couple address-control hardware and external data to the
direct memory access port. It will automatically control the input of data words into
memory by maintaining the input memory address and word count during operation.
Initial addresses for data tables and the number of words per table will be determined by
the computer program via the telemetry control unit.
The PCM simulator will allow closed-loop checkout of the telemetry equipment. Output
data from the simulator will be generated by the computer program and, therefore, will
not restrict the PCM format. The simulator will be operated from a computer I/O channel
to simulate dynamic data at high data rates. The simulator will be used in conjunction
with a closed-loop diagnostic test programming module to provide a diagnostic tool for
the total system. It will also be used to provide system readiness verification prior to an
actual run.
The telemetry control unit will provide an interface between the CPU and the other
telemetry units. All set-up and status input/output operations and all control actions
(except decommutation) will be performed through this unit.
The manual control and display unit will allow the operator to set up two Telemetry
systems independently of the computer. The display unit will give the current status of
all computer-addressable registers as well as status indication of frame sync, search,
verify, and lock modes.
The DAC subsystem will accept data from PCM data channel No. 1, data channel No. 2,
or the CPU via the MIOP. Under program control, the input formatter will supply a DAC
address to control the routing of the appropriate data word to the specified DAC. When
operating under control of the CPU, a specified measurement string can then be
converted to engineering units and routed in a time-correlated fashion to the selected
DAC.
Telemetry Software Subsystem The Flight Data Processing System will be provided
with standard Sigma 7 software: Basic Control Monitor, Batch Processing Monitor,
Symbol, Meta-Symbol, Fortran IV-H, and Debug Fortran IV.
The Basic Control Monitor enables real-time foreground processing concurrent with
low-priority background production processing.

The Batch Processing Monitor allows sequential job-stack processing, checkpoint
service, an overlay facility, and foreground/backgr6und processing with concurrent
peripheral processing (symbionts).
Symbol permits programs to be written in machine language.
Meta-Symbol, an advanced assembler, includes a macro capability.
Debug Fortran IV, a comprehensive algebraic programming language, is highly problem
oriented. The compiler provides the user with the capability to call for run-time
diagnostic output to aid in program logic checkout. These diagnostics include snapshot
dumps and an ability to trace program execution. It also provides optimized code for fast
object program execution.
The flight data system will also be provided with a telemetry software system consisting
of eleven operating system modules. These modules will operate with the standard
Sigma software to provide a flexible system that can process virtually any PCM format
and provide decommutated data for analysis or real-time display. In addition to normal
operations such as equipment calibration, pre-run station diagnostic test acquisition,
synchronization, time correlation, and data storage, the operating system will also
provide operations such as format simulation, input compilation, data decommutation,
data reconstruction for real-time output, data retrieval for Fortran programmed analysis,
and real-time file management.
The telemetry operating system will be comprised of the following system modules:
PCM Telemetry Compiler, PCM Acquisition Control, PCM Data Sort, PCM Data
Retrieval, PCM Closed-Loop Diagnostic Test, PCM Format Simulator, Time-Correlated
Analog Reconstruction, Real-Time RAD Management, DAC Calibrate, PCM RAD-toTape/Tape-to-RAD, and PCM Real-Time Merge Processor.
Each module will be discussed in terms of a typical operating mode, as shown in
Figure 4.
Advance Preparation
PCM Telemetry Compiler The first step in processing telemetry data is to define the
telemetry format to the system. Virtually any PCM format can be defined to this compiler
in terms of data identification, the main commutator, subcommutators, synchronization
for each commutator, measurements, pin assignments, sample size, real-time display
assignment, and compression type. From this input, the PCM telemetry compiler will
generate load modules for storage on the mass storage disc. In many test programs, the

data formats are constant and, therefore, the load module may not change from test to
test.
Equipment Verification
PCM Closed-Loop Diagnostic Test The PCM test program will use the PCM simulator
to generate telemetry data with worst-case PCM format and rates. These data will be
routed through the system to verify the systems operation immediately prior to a run.
Any hardware anomalies detected at that time can then be corrected by maintenance
personnel. Error communication will be on-line, via the system’s typewriter.
DAC Calibration The DAC calibration program will calibrate the digital-to-analog
converters and any associated real-time display devices. The program will generate
constant values (0, 25, 50,75, and 100 percent full scale) to provide references for
calibration.
Real-Time Operations
PCM Acquisition Control The PCM acquisition control program initiates data
acquisition from the telemetry source. During the acquisition the following functions are
performed:
1)
2)
3)
4)
5)
6)
7)

Control of the telemetry equipment.
Maintain independent synchronization for main frame sync patterns of the bit
stream.
Determine the quality of the data based on search, verify or lock status; bit
slippage; uncertainty count; frame sync error count.
Route the data to a mass storage device via one of the three processors.
Determine rate overflow and take appropriate action.
Route data from a second acquisition source to a real-time display device.
Performs adaptive modifications of the bit synchronizer parameters and a loop
bandwidth and center frequency for optimum data quality.

The operator can select one of the following three processors:
1)
2)

Thru-Put Processor - The normal mode for PCM acquisition, routing the data to a
mass storage device such as magnetic tape or disc.
PCM Real-Time Merge Processor - The merge processor will operate, in
conjunction with the acquisition program, on acquired data while the data is in
memory. The current frame of data is compared as to synchronization and data
quality with previously acquired data from the same link for the same
corresponding time interval. The best composite data link is then written on the

3)

RAD. This real-time operation eliminates the processing of poor quality or
redundant data by the user analysis programs.
PCM Format Simulator - The format simulator will provide the capability to create
a PCM format with dummy values. The created format will then be input to the
system via the PCM simulator. The user can then process the simulated format and
check out analysis programs without using a data source. The simulator is a
powerful tool for program creation., offering maximum security and minimum
interference to the operating system. This tool will allow complete end-toend test
and calibration capability.

Real-Time Disc Management The demands of a high capacity system obviate the
standard approaches to disc file management. The real-time disc management package
was created to support real-time demands while still providing the neces&ary services of
a standard file maintenance package.
Off-Line Operations
PCM Disc-to-Tape/Tape-to-Disc Acquired data may be written onto magnetic tape
from the disc with this module. This is a desirable feature if higher priority data has to be
processed or the disc capacity is exceeded. The data can be returned from magnetic tape
to the disc when processing time is available. Thus, time lost to restart is minimized.
PCM Data Sort Program The composite data on the disc is sorted into time-ordered
measurement strings by the sort program. The information required to sort the data is
generated by the telemetry compiler in the form of a load module. Thus, input is
minimal. The sort program sort rate is 1, 000, 000 data points per minute.
Time-Correlated Analog Reconstruction The analog reconstruction module will
provide the capability to reconstruct analog signals from a digital data base. These
signals can then be played back at a user selected time rate. Thus, composite data which
has no analog counterpart can be reconstructed and displayed as an analog signal. Any
pre-recorded digital data base can be reconstructed regardless of the source.
User Applications
PCM Data Retrieval The PCM data retrieval module will provide the interface between
a user and the sophisticated operating system. The user will be able to call for data by
measurement name and time position. Data will be retrieved on a point-by-point or timeslice basis. The user will write his call commands and analysis programs in any of the
standard languages including Fortran, Symbol and Meta-Symbol.

The total operating system concept provides the user with a complete, flexible phase 1
processing system. User software production can be limited to simple languages such as
Fortranand phase 1 maintenance downtime can be greatly reduced. Real-time processor
modules other than the PCM Merge can be added to the system at any time.
System Analysis The system bandwidth can be analyzed by evaluating the following
expression. The’expression gives the total number of memory cycles available to the
CPU or special-purpose software processor after floating-aperture data compression has
been done on a PCM subsystem bit stream. Floating-aperture data compression is
selected in that it creates the biggest demand for memory cycles.
P

Represents the number of memory cycles used to perform floating-aperture
compression if the data has failed compression and is input to memory
P=4

C

Represents the number of memory cycles used to perform floating-aperture
compression if the data has passed compression and is not to be input to memory
C=2

r

Re resents a compression ratio

I

Represents the total memory cycles necessary for the system housekeeping to
handle the synchronization acquisition function and is dependent on the number of
subframes in the format
I = 200 per main frame for six subcommutators and a main frame
commutator

W

Represents the transmitted sample rate in kc

F

Represents the total number of commutator positions in a main frame

M

Represents total memory cycles per second in the system assuming two (850
nanosec) interleaved, overlapped memory modules

A

Represents the total memory cycles available for the CPU, merge processor or any
other processor that would be desirable

Conclusion Less than 18% of the memory cycles have been used to compress the data
from 100 kc to 10 kc and input the data to the computer for further processing.

Conclusion Less than 18 percent of the system’s memory cycles will be used to
compress data from 100 kc to 1 ke and input the data to the computer for further
processing. The compression ratio does not significantly effect the total amount of
available memory cycles. If the assumption is made that worst case data compression has
taken place, where all data values have s nificantly changed each scan and the
compression ratio (r) is therefore (W one, the worst case memory cycle loading would be
200 kc + 400 kc. This would be approximately 25 per centof the system’s memory
cycles.
If the second PCM subsystem is operated concurrently for quick look display, no
compression would normally be done. Also, data would not be input to the computer.
Instead, selected data would be routed to the DACs. If the bit stream were also running at
a 100 kc word rate, the synchronization load would be 200 K memory cycles but the
decommutation load would only be two cycles per channel, or 200 K memory cycles. In

this worst case condition, the two asynchronous links would use 600 K + 400 K memory
cycles per second, or a total of 42 percent of the machine’s cycles.
It is significant to note that the system, because of its multi-memory modules and
asynchronous I/O structure., operates at approximately 50 percent capacity. This allows
for future requirements. It should be noted that more capacity becomes available as each
asynchronous memory module is added to the system.
This analysis was made on the basis of two independent 16 K memory modules.
However, the Flight Data System has been expanded to three and can be expanded to
eight memory modules. The only CPU processing time used to handle the total
throughput problem is the overhead for the two asynchronous acquisition programs. It
should be noted that the worst case condition assumed that data compression used a total
of 1000 K memory cycles per second. This leaves approximately 1350K memory cycles
per second to be used by the CPU. Since the CPU is a 850 nanosecond unit, it can be
seen that more cycles are available than needed to adequately handle all CPU requests.
Participants John Inman., Paul Parker, Joe Glasier, Peter Anderson, Lester Howard.

Figure 1 - Acquisition Overlap

Figure 2 - System Block Diagram

Figure 3 - Telemetry Subsystem

Figure 4 - Typical Processing Sequence

REDUNDANCY REMOVAL ALGORITHMS APPLIED TO
GEMINI XII DATA
H. M. JORY
Senior Engineer
McDonnell Douglas Corporation.

Summary This report presents the results of a company funded computer study to
deter-mine the effectiveness of redundancy removal algorithms as applied to manned
spacecraft data. The company familiarity with and access to manned space flight data
provided an almost unique opportunity to study this method of data compression using
data representative of that which will be required from a Manned Mars Mission. A total
of 28,500 seconds of the Gemini XII flight is examined using seven algorithms and three
different tolerance bands. Over eleven million samples have been examined using
terminology and descriptions consistent with previously published literature to allow
direct comparison of actual flight data with previous results using synthetic data.
The outputs from the computer presented the following information:
A.
B.
C.

Compression ratios as a function of technique, channel number and type of data
for each of the activity periods.
Buffer input rates and accumulated queue lengths every 2.4 seconds for the ZFN
technique.
Error distribution, for each of the techniques for six different apertures.

The results indicate that the zero order - variable corridor - adjusted preceding sample
transmitted (ZVA) technique can provide data compression ratios of 187:1 using a 1.2%
tolerance. Nominal buffer sizes of 20K bits are adequate to handle the data activity
period involved. The error distribution evaluation indicates that the error distribution is
primarily a function of the technique and the aperture.
Introduction In recent years the rapid advances in spacecraft technology have
produced attendant increases in system and mission complexity and in mission duration.
This increase in system complexity has required that an increased number of
measurements be telemetered and the lengthening of the mission duration has required
that they be transmitted over greater distances as we explore farther and farther from
earth. As the missions become more expensive and more “one shot” affairs, it becomes
increasingly important that telemetered data be reliably received on the ground , It might

appear that the gains in technology (i.e., larger boosters) would allow proportionate
increases in communication systems size, weight, and power. However, these gains in
technology are often used to increase the mission complexity and duration, which require
even more measurements from even greater distances.
Spacecraft data acquisition systems today, have evolved as synchronous systems of
either time or frequency multiplexing. In this type of system, data rates for the individual
measurements are assigned as the product of the maximum frequency of interest and a
constant. This constant can be determined using one of the sampling theorems in use
today. Sometimes it’s 2 samples per cycle; sometimes 5 samples per cycle; sometimes
according to D. D. McRae’s interpolation tables;1 and sometimes by best engineering
estimates. Consequently, a correctly designed, fixed format system is only efficient when
the measurements are producing their maximum rate of change. Most of the time, the
measurements are quiescent, and the fixed format system yields poor information
efficiency.
Once the data rates are established for the various measurements, they can be summed
and will determine the channel rate capability required of the communications link. In
the past, channel rate was not a limiting factor, but the number of different data rates
were limited so that the airborne and/or ground equipment complexity could be reduced.
In order that the maximum frequency of interest was obtained, measurements frequently
were sampled at higher rates than the theoretical data rate. This introduces a small
amount of communications inefficiency, but this is insignificant when compared to that
resulting from the necessity to fix the sampling plan.
How then, can we improve the information efficiency of the communications link? The
answer, hopefully, is some form of data compression.
A.

Reduced Bandwidth and Power Requirements - The savings here are fairly
obvious, as shown by the range equation,2 the received power at the ground is
reduced by the square of the distance. Also, transmitters are not very efficient
power converters. To achieve the 2 watt output of the Gemini transmitters for
instance, required almost 20 watts of basic spacecraft power.

B.

Reduced Data Storage Requirements - The flight of Gemini 12 (94.5 hour mission)
produced 108 data tapes at the World Wide Tracking stations. In the Gemini midprogram Conference Report,3 it was noted that 250,000,000 data points were
transmitted from Gemini V (191 hour mission) on the delayed time system alone.
If this data were reduced, it would have required 1 million pages of tabulation or
750 thousand pages of plots; this in a year in which we launched six Gemini’s.
This overwhelming volume of data caused the NASA to adopt a policy of reducing
only the launch, re-entry, and flight segments of planned activity from each flight.

Any other segments of this flight were reduced on an “as required” basis.
Although data compression techniques were utilized in the processing of
telemetered data record on the ground, adoption of data compression techniques,
prior to transmission from the space vehicle would have reduced the storage
requirement by a factor equivalent to the achieved gross compression ratio.
C.

Reduced Data Handling and Analysis - The adoption of data compression
techniques will decrease the amount of demultiplexing and analysis required by
the user. This also decreases the time interval between data collection and
dissemination of information to other users. Methods of data compression such as
redundancy removal provide addressing and time correlation, thus completely
deleting some of the required functions in the normal demultiplexing operation.

Compressed PCM System Figure I is the basic block diagram for a compressed PCM
system (CPCM). The sensors convert physical phenomena into an electrical signal
proportional to the phenomena. Multiplexing is accomplished by sequential sampling of
the data sensors at the data rates determined by the frequency of interest and the selected
sampling theorem. The A/D Converter changes the analog representation of the physical
phenomena into a binary digital code which is presented to the Comparator for
comparison with previous data stored in the Predictor. The Predictor anticipates the
value of future data samples on the basis of selected previous sample values, and/or on
the basis of knowledge of the data characteristics. An aperture or tolerance band,
defining the allowable prediction error, will have been assigned previously by the data
user in accordance with his accuracy requirements. If the data sample being examined
falls within the same aperture or corridor as the predicted value, the sample is judged to
be redundant and is discarded. However, if the data sample falls outside the aperture, it is
retained and sent to the buffer for subsequent transmission over the RF link, and also
sent to the predictor to be used in predicting the next sample. The samples chosen by the
comparator for transmission will be sent to the buffer at an irregular rate. The role of the
buffer in the system is that of accepting and storing these aperiodic data samples, so that
they can be sent to the transmitter at a uniform. rate.
Redundancy Removal Algorithms What are effective redundancy removal
techniques? If you examine a number of different technical papers, you will find
different explanations of essentially the same processes each with different conclusions
and descriptions. One of the most thorough descriptions is given in a paper presented by
Dr. R. Simpson at the ITC in 19664, which presented descriptions of 8 different
redundancy removal processes and their associated interpolation methods. The various
redundancy removal algorithms are described using three descriptors. These are: the
order, the type corridor, and the particular transmitted sample. The order of an
algorithms denotes the order of the derivative -used to predict subsequent samples. The
corridor, which can be fixed or variable, refers to how the prediction of subsequent

samples is made. Finally, the transmitted sample determines what information is
transmitted when a non-redundant sample occurs. This can be the non-redundant sample,
the sample preceding the non-redundant sample or an adjusted value for the preceding
sample. Seven of these eight algorithms have been adopted as standards for this study.
These are:

The eighth method, First Order, Fixed Corridor, Non-Redundant Sample Transmitted
(FFN) was not used because the error using this method can approach plus or minus full
scale.
Compression Ratio Before discussing the compression ratios which have been
achieved, it should be emphasized that the term “data compression” differs from the tem
“gross compression”. “Data compression ratio” is defined as the number of samples into
the predictor (the multiplexer sample rate) over the number of non-redundant samples.
“Gross compression ratio” is the number of bits into the predictor, (the product of
multiplexer sample rate and word length) over the number of bits into the buffer (the
product of the non-redundant words and the word length the necessary bits for
addressing, time correlation, synchronization, and error correcting codes.) It is assumed
that the gross compression ratio will be approximately one-half the data compression
ratio.
The measurands from the Gemini XII parameter list were divided into four categories;
(1) 75 channels of bi-level or event data which was investigated on a “no aperture!’ basis
(i.e., each change of state is transmitted), (2) 31 channels of low rate data sampled at
.416 samples per second (sps), (3) 71 channels sampled at 1.25 sps, and (4) 10 channels
of high rate data O at 40 sps, 3 at 20 sps, and 4 at 10 sps). The low and medium rate data
was examined using three techniques. These were ZFN, ZVP, and ZVA. The ten high
rate channels were examined using all seven algorithms.
Since the flight of GT 12 was 94.5 hours long, it was necessary to find a method of
reducing the computer time without compromising the results significantly. The flight
has been examined to determine the activity periods, and a one to one and a half hour
segment was selected for each of seven periods. The results were then extrapolated to
cover the entire flight. Figure II shows the periods selected and the time over which the
results were extrapolated. For instance, the sleep period tape was almost one hour long

(3400 second) and the results were extrapolated to cover the 20 hours of actual sleep
periods.
The above extrapolations left almost 51% of the mission, which had not been accounted
for. It was then assumed that the 51% not accounted for, had about the same average
compression ratio as the 49% which was accounted for. Thus the following model was
constructed:

Where:
Subscripts:
CD = overall flight, data compression ratio
R1 = total samples examined for the period
denoted by the subscript.
N1 = non-redundant samples for the period
denoted by the subscript.

1 = Launch
2 = Rendezvous
3 = Standup EVA
4 = Umbilical EVA
5 = Tether
6 = Sleep
7 = Re-entry
8 = Unaccounted for periods

T1 = extrapolated time for the period denoted by
the subscript.
T = total flight time (340,200 seconds)
Table I shows the compression ratios for the various activity periods an the results of the
extrapolation. The superior noise eliminating properties of the ZVA technique are
apparent in the difference between the ± 1 and the ± 3 count aperture columns.
Buffer Queue Lengths In order to determine the buffer queue lengths in the Gemini
XII data, the number of non-redundant words for each 2.4 second interval were printed
as well as the accumulated totals for the ZFN technique. In addition to this data, time
histories and histograms were printed at the end of each run.
An examination of the time histories revealed that the largest data activity peak occurred
during the reentry period. From this data a set of models (Figure III) were constructed so
that queue length (q) could be determined by the peak input data rate (P), the buffer
readout rate (Ro) and the duration of the peak (T) or:
q = (P-Ro)T

If we assume an output word rate (Ro) of 50 words per second then for an aperture of +
.4% from Figure II we have:
q = (75-50)612
q = 15,300 words
And if we use 16 bit words (8 data bits plus 8 bits of correlation) a 244,800 bit
uncontrolled buffer would be required to prevent loss of data due to buffer overflow. If
we increase the aperture to 1.2% then:
q = (P-Ro)T
q = (52-50)612
q= 1224 words
Assuming 16 bit words, a 19,584 bit buffer will handle this data. Figure IV shows the
average input data rates for the flight periods examined. An examination of this chart
shows that an output rate of 50 words/second (800 bits/second) is much too high for
most of the flight. The difference between apertures of ± .4% and ± 1.2% during the
sleep period is due to the fact that the spacecraft is powered down and many channels are
noisy. Figure V describes the output bit rate versus queue length for the reentry model.
Error Distribution In order to determine the error distribution, ten channels of Gemini
data were examined for 81 seconds during the re-entry phase of the flight. A total of
17,600 samples were examined. Each channel was examined for redundancy using the
seven redundancy removal algorithms. Interpolation between the non-redundant points
was accomplished as required and all points were compared with the interpolated line to
determine the magnitude of the error. The total error band was divided into 40 ranges of
values and the errors falling in each range were tabulated. This was done for each
individual channel for apertures of 1, 2, 3, 4, 6, and 7 counts (full scale = 254 counts).
The results of the ten,channels were combined and the overall error distribution was
tabulated for each algorithm. The r.m.s. error was also determined and is shown in
Table II. Figure VI is a sample of the error distribution histograms for ZVA, FFA, and
FVA. These show the definitely bi-modal characteristics reported by Dr. R. Simpson5
Figure VII shows the error distribution for the other four techniques.
Conclusions Although the size of th sample examined is many times that which has
been previously reported,4,6,7 the results in general, complement the earlier work. Four
techniques have been adopted for future work. These are the ZFN, ZVA, FVP, and FVA.
The ZVP is discarded because the ZVA is superior in noise elimination and compression
ratio while the complexity is about the same. The FFA and FFP techniques are discarded
because of low compression ratios which is probably due to the propensity to oscillate
which has been previously reported.4

The examination of buffer queue lengths was probably the most revealing. Even
assuming an uncontrolled buffer, the buffer size is not prohibitive, while some form of
buffer control8 would reduce the size even further. The error distributions for the data
examined appear to differ from that reported in previous work,4,5 but the use of rms error
and the assumption of normal distribution appears to be practical since the difference in
rms errors for the various techniques are small.
Future Work Future effort will be expended on implementation, addressing and time
correlation to optimize the overall system design. Investigations are also being initiated
to examine the feasibility of transmission of airplane flight test data via common
telephone carrier from the remote test facilities to a centralized data collection facility. In
addition, it is hoped that a redundancy removal system can be placed on an orbiting
spacecraft as an experiment or as backup to the primary telemetry system. This would be
primarily to develop user confidence and gain operational experience in the handling of
compressed data.
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MULTICHANNEL, FREE-FLIGHT BASE PRESSURE TELEMETRY
IN WIND TUNNELS1
R. H. CHOATE
Engineer
ARO, Inc

Summary Radio telemetry techniques permit the acquisition of aerodynamic data from
free-flight models in wind tunnels, a method which ensures that the data are completely
free from support interference effects. No serious difficulties were experienced in the
development of a telemetry system to record simultaneously four channels of base
pressure data from a free-flight model; however, precautions were necessary to prevent
interactions between channels and to prevent interference between telemetered and
extraneous signals.
This telemetry system is based upon small, transistorized, transmitter units, placed
aboard the model, which are directly modulated (FM) by capacitance-type pressure
transducers. All units are powered from a single battery package.
These units, one for each data channel, transmit to antennas located outside the tunnel.
All units are interchangeable between models, and have built-in provisions for preselecting full-scale pressure range (0.0005-0.1 psid) to provide optimum data resolution
under a variety of test conditions in three different wind tunnels (at nominal Mach
numbers of 8, 10, and 20).
Oscillograph traces resulting from tests of typical models, both in free flight and on a
sting mount, are compared and discussed from an instrumentation point of view.
Satisfactory system operation is demonstrated by comparing telemetered base pressure
data to data obtained by conventional means during a test of a sting-mounted model.
Symbols
fo
Telemeter operating frequency, Hertz
M
Mach number
p
Pressure, psia
p
Differential pressure, psid
1
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Re
c

Reynolds number, dimensionless
Cone half-angle, deg
Ratio of model nose radius to base radius

Subscripts
b
Conditions at model base
4
Free-stream conditions
R
Based on model length
Introduction Free-flight wind tunnel telemetry systems reported to date 1,2,3,4,5,6 are
based upon simple, r-f oscillators, modulated directly (FM) by appropriate transducers.
Three different techniques are used1,5 to place the models in free flight. Each technique is
suited to particular tunnel characteristics, and each imposes different requirements upon
a pressure telemeter.
Satisfactory data often result when the pressure ranges of telemeters are tailored to
specific models, tunnels, and tunnel test conditions, as described in the previous
literature.1-6 By incorporating provisions such that full-scale pressure ranges can be
changed after telemeter construction, a single telemeter may be used repeatedly in a
variety of applications.
The most expeditious approach to multichannel base pressure data acquisition is one of
utilizing existing circuitry and transducers to the fullest extent. Multichannel telemetry
systems, in this context, then, are based upon the use of several, single-channel, directmodulation telemeters, grouped closely together for a specific purpose (e.g., base
pressure measurements). All channels must operate from a common battery power supply
to limit both the volume and weight of the package. The close physical spacing between
telemeters in such applications requires precautions to prevent interactions (i.e.,
crosstalk) between channels. Since separate, individual channel operating frequencies
are required, care in their allocation is necessary to prevent interference from extraneous
r-f signal sources.
The development of a multichannel pressure telemetry system suitable for use in
different models and wind tunnels is the subject of this paper. Four, single-channel,
direct-modulation telemeters are used, all operating from the same power supply. Each
telemeter unit is interchangeable between channels or models, and each permits selection
of the full-scale pressure range required for optimum data resolution in three different
tunnels.
Summary of Requirements Base pressure data resulting from previous free-flight
tests in four different wind tunnels 4,5 are summarized below and in Table 1 to outline the

telemeter pressure requirements which are necessary for multi-tunnel use. Differentialtype pressure transducers are used; consequently, the reference pressures existing in
these transducers during free flight must be known to determine absolute base pressures.
Since the reference pressures depend somewhat upon the free-flight technique employed,
telemeter pressure range requirements also vary with technique, as described below.
Tunnel F Free-flight telemetry tests were conducted near Mach 20 in the Gas Dynamic
Wind Tunnel, Hypersonic (F) 4,5 using nitrogen as the test gas. Tunnel F is a hotshot-type
tunnel, of 100-in. test section diameter, with a maximum run time on the order of 200
milliseconds. The free-flight technique consists of supporting the test model on threads
which are swept away during the tunnel starting process 1,4,5. Since the static pressure in
the tunnel immediately prior to firing is less than base pressure during the run, being
about 5 x 10-3 torr, base pressure telemeters will sense a pressure rise during free flight
which will approximately equal the absolute base pressure. A typical installation in
Tunnel F and a resulting free-flight base pressure trace are shown in Fig. 1. Telemeter
scale factor is near 0.001 psid/in. in this case. Typically, scale factors between 0.0005
and 0.005 psid/in. are required, depending upon tunnel conditions.
Tunnels B and C Free-flight telemetry tests were also conducted in a continuous-flow
Mach 10 tunnel, the Gas Dynamic Wind Tunnel, Hypersonic (C)7, which has a 50-in.diam test section. A free-flight technique for this tunnel, developed by Ward2 and
reported previously5, allows a test model to fall freely through the tunnel flow (Fig. 2a).
The chambers both above and below this tunnel are accessible with the tunnel running;
thus, repeated tests with the same model are possible without shutting down the tunnel.
Negative pressure differentials up to 0.1 psid are telemetered in this application
(Fig. 2b). Since the model is exposed to the hot tunnel flow for only about 150
milliseconds, no temperature effects upon the telemeter circuitry are experienced.
These same techniques work equally well in the Gas Dynamic Wind Tunnel, Hypersonic
(B)7, a Mach 8 continuous-flow tunnel of similar design. Pressure drops on the order of
0.1 psid are also experienced here.
Tunnel A Free-flight telemetry tests were conducted in the Gas Dynamic Wind
Tunnel, Supersonic (A)8, a continuous-flow tunnel whose test section is 40 in. square.
Tunnel A is capable of operating at Mach numbers from 1.5 to 6 through the use of a
flexible-plate nozzle; however, the free-flight tests described here were conducted only
at Mach 45. A pneumatic launcher is used to place the test model in free flight. This
method is typical for tunnels of this type 1,2,3,6. The physical arrangement, as well as
typical base pressure traces, are shown in Fig. 3. The reference pressure applied to the
2
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telemeter while mounted on the launcher is adjusted to a value near the free-flight base
pressure expected. Consequently, either a pressure increase or decrease is possible,
depending upon the pre-test estimate. Typically, telemeters with full-scale pressure
ranges near ±0.05 psid are used, because of the excursions in base pressures 2,5 which
sometimes result. These are, in general, caused by model attitude variations.
A disadvantage of this system, and one which precludes the sharing of the telemeters
with other models or tunnels, arises because these models generally are not recovered
intact, voiding any telemeter interchangeability advantage. The system is described here
primarily because of the requirements it places on the telemeter pressure calibration
apparatus.
Summary of Previous Work The telemeter pressure range requirements, based upon
the above tests, are summarized in Table 1. Telemeters which permit selection of fullscale pressure ranges of either +0.01 or -0.1 psid fulfill most of the requirements for
Tunnels B, C, and F. Telemetered pressures sometimes are below 0.001 psid in Tunnel F;
thus accomodation of these low differential pressures is also required.
Data scatter which resulted during the tunnel entries outlined above is evident in Fig. 4.
This scatter does not arise solely from the use of telemetry. The telemeter provides only a
differential pressure measurement. Other measurements, independent of the telemetry
system, are required to determine absolute base pressure, free-stream pressure, etc.
Model attitude variations also contribute to this scatter. In Fig. 4c, for example, the data
points are shown at the higher pb Of the scatter band because there is some evidence that
this condition corresponds to zero angle of attack. The same degree of scatter shown in
Fig. 4 for single-channel telemeters should also be expected from a multichannel system
of the sort described here, since the multichannel system consists of several, singlechannel telemeters.
Multichannel Telemetry System Description
Operating Frequency Selection Prior work has shown that interference caused by
extraneous r-f signal sources is a potential problem. This is even more the case with a
multichannel system because, in addition to extraneous signals from outside sources, the
local oscillator of each receiver radiates a strong signal 21.4 MHz above the frequency to
which the receiver is tuned.
The frequency band between 125 and 200 MHz, where wind tunnel telemeters are
generally operated, was carefully explored and all sources of r-f radiation logged. A ±2
MHz “safety” band was assigned around each extraneous source observed. Only six
interference-free operating frequencies could be selected in the 125-200 MHz frequency

band when the local oscillator signals were considered. These were 128, 144, 154, 160,
170, and 197 MHz.
Receiver Characteristics Two receiver types are currently in use. Both are FM
receivers, and both tune from 55 to 260 MHz. One type has a nominal discriminator
bandwidth of ±300 kHz, and the other ±600 kHz. All receivers are sweep-aligned for
maximum discriminator linearity. The receivers are linear to ±200 and ±400 kHz,
respectively. In general, only the linear portion of the discriminator curve is used for
freeflight telemetry purposes.
Telemetry Transmitter Telemeter center frequency deviation (for a given applied pressure) is a function of the transducer characteristics and the oscillator circuit design. A
variable capacitance pressure transducer, forming part of the tank circuit of a Clapp-type
oscillator10 (Fig. 5), provides direct frequency modulation. A Clapp-type circuit is used
because it does not require shielding to prevent extraneous frequency deviations caused
by proximity effects 1,4,5. The circuit shown is identical to that used previous 5 , except for
the addition of padder capacitors which enable selection of the pressure range. The
components in this oscillator, selected on the basis of their ruggedness as demonstrated
in early gun-range test11, are all commercially available except for the transducer. The
operating frequency is adjusted to the desired frequency by varying the antenna coil
inductance. Current drain is nominally 1 ma from the 5.4-volt supply. The telemeter is
encapsulated in epoxy resin to provide mechanical shock resistance and thermal
isolation.
The padder capacitor values are selected so that +0.01 psid applied results in no more
than 400-kHz frequency deviation with one padder used, while -0.1 psid applied results
in no more than 800-kHz deviation with another padder. These deviations, equal to or
less than the maximum linear discriminator characteristics of the two types of receivers
used, produce 2.0-in. deflection of the readout galvanometer, as described later. If all
padders are disconnected, scale factors between 0.0001 and 0.001 psid/in. (0.0005
psid/in. average) are possible, depending upon transducer characteristics and based upon
minimum usable frequency deviations of 20 kHz.
Transducer A variable-capacitance pressure transducer (Fig. 6) was designed in the
VKF3 for use in these wind tunnel applications. This transducer, which is usable over a
nominal pressure range between 0.0005 and 0.1 psid, has a quiescent capacitance value
near 10 pf. A capacitance change of approximately 0.6 pf results from the application of
0.1 psid, providing telemeter frequency deviations adequate for most base pressure
measurements.
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These pressure transducers are of the differential type; consequently, some means to
provide a constant reference pressure during free flight is required. A lag system
consisting of a lag tube and pressure reservoir (Fig. 6) fulfills this requirement. The
application of a 0.1-psia step to both ports simultaneously results in a step output which
does not vary by more than one percent in 200 milliseconds.
Interchangeability The ability to interchange telemeters between channels or models
requires only the selection of a standard package size to which all units are constructed.
The smallest practical size for the components used in this design is 7/8 in. in diameter
by 1-1/4 in. long (Fig. 7), less batteries. This diameter allows for a thin coating of epoxy
resin around the 3/4-in.-diam transducer.
Closely related to this interchangeability requirement is the need for accurately selecting
(or changing) telemeter operating frequency. To provide for this, antenna coils are not
encapsulated, but are placed in a recess to prevent accidental damage, as seen in Fig. 7.
Also seen are the padder capacitor leads. Mechanical vibrations of the antenna coils
occasionally produce variations in data traces. A small length of string, wetted in epoxy
resin and placed longitudinally along the coil, greatly reduces this effect.
Interactions Preliminary bench tests showed that interactions between closely-spaced
telemeters (1/8 in. apart) were, in general, caused by coupling between antenna coils.
Using the coil orientations shown in Fig. 8, no interactions between channels were noted.
This was investigated by monitoring all four channels simultaneously, and applying
pressure to each channel individually. The battery leads to each telemeter are imbedded
in the epoxy resin (Fig. 8). These leads are installed following the usual practices of wide
separation and intersection at right angles.
Reception System
Antennas Quarter-wavelength stub antennas are used directly on the wind tunnel
windows whenever window size permits, with one antenna serving each channel. A
typical four-antenna installation for Tunnel F is shown in Fig. 9. High-frequency
impedance measurements have shown quarter-wavelength antennas to present good
impedance matches to 50-ohm coaxial cables which lead to the receivers.
Most of the reception problems associated with low-power, free-flight telemeters are
simplified if the tunnels are considered as crude waveguides. Maxwell’s equations 12
show that the cutoff frequencies of Tunnels A, B, C, and F, respectively, are about 147,
142, 142, and 71 MHz (TE10 mode for Tunnel A, and TE11 mode for Tunnels B, C, and
F). In principle, waveguide transmission is possible if telemeter operating frequencies
are above the cutoff value for that tunnel. In practice, no apparent reduction in signal

strength results when a free-flight model is placed some 150 ft downstream from the test
section in Tunnel A, nor when models are tested about 30 ft upstream from the test
section in Tunnel F. In both cases, the reception antennas were located on the test section
windows. Transmission over these distances when the transmitters are not enclosed in
these “waveguides” is quite poor.
Receiving and Recording Equipment The single-channel reception system shown in
Fig. 10 is essentially unchanged from that reported previously5, with the exception of the
variable attenuator. The receivers have been modified to provide a d-c voltage
proportional to frequency deviation. This voltage is applied directly to the variable
attenuator, which forms part of the input circuit of the d-c galvanometer drive amplifier.
The purpose of this attenuator is to provide a fine adjustment so that frequency deviation
resulting from the application of the desired full-scale pressure will cause 2.0-in.
deflection of the readout galvanometer. This allows all telemeters of the same nominal
full-scale pressure range to operate with the same readout scale factor (psid/in.) if
desired. Galvanometer deflections are limited to within ±2 in. from their mechanical zero
positions to ensure the best linearity available.
Each receiver had been modified previously (for single-channel testing) to provide a
separate galvanometer output to monitor received signal strength. The wide variation in
signal strength during a typical tunnel run (see, for example, Fig. 2) would present
difficulties in multichannel work. The oscillograph record would be difficult to interpret
when telemetering four channels of information (8 traces) because of these variations. A
modification was devised by Gilley4 and consists of a galvanometer drive amplifier
which monitors second limiter grid voltage. This arrangement results in a constant
galvanometer deflection (approximately 0.5 in.) for incoming signals greater than about
100 microvolts. Since signals normally exceed this level during tunnel runs, traces
having constant amplitudes generally result. Some dropoff from this saturation value is
tolerable, because the individual receivers require only 5 to 20 microvolts (depending
upon type) for satisfactory operation. However the excursions in signal strength, if they
occur, are contained within a 0.5-in.-wide band, as will be seen later.
Calibration Calibrations are performed using the same receiving and recording
systems used for free-flight data acquisition. In general, all channels of a multichannel
system are calibrated simultaneously. Calibrations are performed with telemeters
maintained at some arbitrary reference pressure level near 1.5 psia. A different reference
pressure is selected (in the range from 0.001 to 4.0 psia) for different calibration runs on
the same telemeter to verify that no sensitivity changes result from changes in reference
pressure. All differential pressures applied to the telemeter during calibration are
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measured with, or the measurements are traceable to, a precision micromanometer which
has a nominal resolution of ±0.000067 psid.
Sweep calibration techniques, where the differential pressure applied to the telemeter is
swept over the entire range of interest in a matter of seconds, are used. This greatly
reduces the calibration times over those required using point-by-point techniques. The
apparatus is shown in Fig. 11. The differential pressure applied to the telemeter at any
instant is monitored by a 0.1-psid wafer gage 13 operating from a 20-kHz carrier
amplifier. The linearity and scale factor of this gage are verified using the
micromanometer. The galvanometer output of this pressure monitoring system is
recorded on the same oscillograph as are the corresponding telemeter output data.
A sweep technique is particularly valuable when telemeters are calibrated in both
directions from p = 0, or where nonlinear calibrations result. The differential pressure
applied to the telemeter can be made to sweep in either the positive or negative direction
by manipulating the appropriate bleed valve (Fig. 11). A typical calibration trace
resulting from the use of this technique is shown in Fig. 12, for a ±0.05-psid full-scale
telemeter. As seen here, calibrations up to +0.05 psid are generally linear, and calibration
constants can be assigned on the basis of one calibration point (plus origin). The +0.01
psid maximum requirement for Tunnel F falls in this category. For negative pressure
differentials, a nonlinearity in the calibration results because of the transducer
characteristics. Consequently, the calibration curves for the -0.1-psid telemeters for
Tunnels B and C are nonlinear.
Telemeters are calibrated both before and after tunnel tests, whenever possible, to verify
whether or not calibration changes have occurred. Generally, pre-test and post-test
calibration data agree within the system repeatability, which is about ±2 percent of
reading.
Test Results A multichannel system of the type shown in Fig. 8 was used in Tunnel F
during tests of both free-flight and sting-mount models. Oscillograph traces resulting
from these tests are presented in Fig. 13. In general, data traces obtained in free flight are
smoother than those obtained on a sting mount because of the effect of mechanical
vibrations transmitted through the sting. The oscillations in the Channel 3 sting-mount
data, at a frequency near 700 Hz, were caused by antenna coil vibrations, mentioned
previously. The Channel I (sting mount) signal strength variations were caused by a
failing receiver.
For evaluation purposes, the telemetry package was located on the base of a stingmounted model, near a pressure port instrumented by conventional means. This allowed
a direct comparison of telemetered and conventional data. A comparison of four channels

of telemetered base pressure data with base pressures measured with conventional
instrumentation during this sting-mount test is seen in Fig. 14. Agreement between all
five measurements (four telemetered plus one conventional) generally was within 5
percent. This has established a reasonable confidence level in both the telemetry system
and in free-flight data resulting from its use.
Concluding Remarks A four-channel base pressure telemetry system developed for
use in different models and wind tunnels has performed satisfactorily during initial tests.
Problems arising from interactions between channels and interference from extraneous
signals have been overcome. A technique used to change telemeter full-scale pressure
range has presented no difficulties. Telemetered and conventional base pressure data
comparisons from a sting-mounted model have shown data agreement generally within
the combined capabilities of the two systems, or near 5 percent.
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Telemeter Full-Scale Pressure Requirements
in the VKF Wind Tunnels

*Maximum Values (See Text)
**Mach Number at which Telemetry Tests Were Performed

TELEMETRY OF PISTON PARAMETERS AT ELEVATED
TEMPERATURES
M. SLAFFER
Admiralty Engineering Laboratory
West Drayton, Middlesex
England

Summary A system is described whereby piston information is continuously
monitored using frequency modulation of carriers in the band 2 to 10 mc/s. The basic
design of a miniaturised one channel transmit-ter for temperature measurement has been
completed and practical details are given in the text. A thermistor was used as sensor.
Trials with two operating channels have been carried out on a Lister engine over periods
exceeding five hours without component replacement. The choice of high frequency
band vras influenced by the desire to avoid the use of an iron cored sensor when the
measurement of displacement was to be considered.
Introduction ‘Experience retention’ is a term particularly applicable to designers of
internal combustion engines for the simple reason that it is not known what really
happens regarding relative movement between the piston rings, the piston and the
cylinder walls of a working engine. Nor is it strictly known what is the state of the oil
between these items. It is, however, known that wear and distortion of these parts do
eventually occur, possible causes being continuous hammering due to mechanical
movement, oil contamination by the products of combustion that pass the piston rings,
and oil deterioration by momentary increases in temperature beyond vaporisation level.
The lack of suitable instrumentation has hitherto hampered efforts to acquire this
knowledge. If such instrumentation were available, it is confidently expected that it
would enable one to establish quickly what -performance uprating could be permitted
and alsc) what long terra side effects might be encountered if an apparently worthwhile
improvement were to be introduced without long term experience.
In the search for such improvements, information on piston temperature, for example, is
currently obtained from small “fuseable” plugs which are screwed into the piston at
selected sensing points. These are examined after dismantling the engine and give an
indication of the temperature reached at each of these points but over rather wide
intervals of temperature. A similar method, but using “hardness” plugs which are
afterwards submitted to metallurgical examination, gives an indication of terminal
temperatures reached over somewhat closer intervals than with fuseable plugs. A third

method involves sampling the parameter once per cycle by means of (a) contacts fitted to
the piston underskirt which make with corresponding contacts on the cylinder at bottom
dead centre thus connecting (say) thermocouples in the piston with external recording
instrumentation, Refs. (1) and (2), or (b) coupling coils which replace the contacts,
Ref. (7)
None of the above three basic methods are, however, capable of providing continuous
information so that interstroke variations of temperature, dynamic strain, or piston or
ring movement with reference to the cylinder, can be deterrained. Some success in this
direction with reasonably reliable and interpretable results has been achieved by the use
of flying or highly flexible leads or by the use of mechanical linkage systems, but always
at the expense of modifications to the crank case, Refs. (3), (4), (5). This, however, is not
an invariably acceptable feature for this kind of investigation, nor is it lacking in
tediousness in its application.
Non-contact telemetering systems to give continuous information have also been
publicised Ref. (6) but, as far as the author is aware, the results have not been altogether
successful. The telemetering arrangement described here has been tried initially for
temperature measurement on two channels with satisfactory results, and is now being
progressed for the measurement of other parameters.
Present System The basic arrangement consists of a temperature measuring sensor S
(Fig. 1) in the form of a thermistor connected to its own miniaturised transmitter, the
latter being mounted on the skirt of the piston where the temperature does not exceed
100EC. The transmitter is frequency/temperature stable in its own right, within
practicable limits, from ambient tip to 100EC, Fig. 3a, at a frequency that is controlled
only by the sensor’s resistance or equivalent temperature. The controlled frequency
change is limited to a rise of approximately 1 mc/s by a tempera, ture rise in the sensor
environment UP to 300EC.
The transmitter signal is capacity (C01) coupled to a “radio line” on the con-rod, whence
the output is again capacity (C02) coupled to a fixed external receiver Rx. These
capacitances are designed to remain fairly constant throughout each cycle of movement
so that undesired amplitude and prohibited frequency modulation that could be caused
by otherwise changing loads on the transmitter are reduced to a minimum. In the present
design, amplitude modulation does not exceed a ratio of two to one over each cycle of
piston movement; and frequency modulation is in fact negligible.
The sensor’s temperature may be read at any time, in term of frequency, by tuning the
receiver to the incoming signal. Temperature changes, if slow, may be followed directly
by manual tuning of the receiver. However, as changes in the sensor parameter may be

fast, particularly in the case of the projected displacement measurements, the received
signal frequency was converted to an analogue and recorded.
For multichannel operation the “radio line” is common to all channels, individual
selection being effected in the receiver by appropriate 1 mc/s bandwidth filters (Fig- 4).
Undesired inter-transmitter interference is prevented by appropriate RC filtering applied
individually to all transmitters.
The Transmitter The requirement for small dimensions considered together with the
adverse conditions under which the transmitter would be operating precluded the usually
applied methods for attaining frequency stability, i.e. tuned circuits or crystals
maintained at a constant temperature. Also the prospect of employing automatic
frequency control in the receiver seemed to bristle with uncertainties. Instead, a circuit
was chosen that could meet what istafter all, the basic requirement,i.e. a larg,e ratio of
signal frequency sweep of the transmitter to undesired frequency shift during the
prevailing temperature variation, viz.20 to 100EC, special care being taken in the design
to stabilize the transmitter - as far as possible - in its own right. The final circuit is shown
in Fig. 2.
Two silicon transistors and micro-miniaturised low temperature coefficient resistors
(50 p.p.m.) are welded rather than soldered together in a switching type of RC circuit.
Only one condenser with linear temperature characteristics is included in the frequency
determining part of the RC circuit in order to ease the approach in the design for
frequency/ temperature stability. The circuit is essentially an emitter coupled
multivibrator Ref. (8) whose frequency f is given approximately by

or

From this it follows that the-transmitter frequency can be conveniently controlled (by
large amounts) by varying thermistor shunts across R5 or R1.
A more accurate analysis would show that the frequency is, to some extent, dependent
upon the supply voltage, the aerial loading and, of course, on the transistor’ s
temperature. However, an adequately stable frequency can be maintained (Rp constant)
throughout the temperature range of the transmitter environment by keeping the supply
voltage constant at around 5 volts, ensuring that the aerial loading is fairly constant

throughout the engine cycle and balancing out the effect of the temperature variation
with an auxiliary thermistor device, T, connected between base and emitter. This
auxiliary thermistor is included in the completely encapsulated unit. To all intents and
purposes, all three requirements have been met in the design. In Fig. 3a, transmitter
frequency versus its temperature has been plotted for a series of constant sensor
temperatures. Ideally these lines would be horizontal. Temperature increments of the
thermistor (sensor) environment are given, in terms of transmitter frequency, by
interceptions on any vertical line. For example, the vertical line ‘AA1’, transposed on to
Fig. 3b, gives the calibration when the temperature of the transmitter is 80EC; and there
is no significant change in the calibration, for any other temperature value of the
transmitter. The consumption per transmitter unit is 5v x 3mA.
Possible Displacement Sensor For displacement measurements, preliminary work has
shown that a tuned circuit shunted across R5 or R1 can give adequate control over the
transmitter frequency then its dynamic impedance is altered by proximity of metal to the
inductance of the tuned circuit. The high frequency used for the transmitter permits the
employment of a small value of inductance. In an actual experiment, a small probe
consisting of an air cored coil of 50 microhenries, tuned to the transmitter frequency by
an auxiliary condenser, produced a frequency sweep of 150kc/S when the plane of a
metal plate was moved toward the coil’s end face through a distance of 0.015 inch Then
using a 3 mc/s carrier.
The presence or absence of oil in the gap had no effect on the frequency .
Direct relative displacement measurements under cyclic movement of the piston during
normal engine operation axe thus feasible, but absolute measurement would not be other than by interpolation - on account of the impedance/temperature-coefficient of the
probe itself which is likely to be too large to be ignored. However, the absence of an iron
core will facilitate the design which, it is visualised, will require that the coil be buried or
encapsulated in ceramic material.
Block Schematics

A block schematic for single channel operation is shown in Fig. 4a.

For multichannel operation, Fig. 4b., a low pass filter acting as a separator is inserted
between the output of each transmitter and the common radio line coupling to prevent
interference between transmitters. This reduces the output from each transmitter, but by
this simple means this interference is reduced to a low enough level as to be of negligible
significance. The signal strength is subsequently more than retrieved with elimination of
the high impedance coupling capacitance C01 by using the tinsel wire connection referred
to later.

At the receiving end, channels are selected via appropriate filters and the signals
converted to analogue values for direct recording.
Experimental Work and Results
Sensitivity Two transmitters with ranges 1.8 to 2.7 mc/s and 2.8 to 3.7 mc/s have been
built. The characteristics of an earlier unit tested on the bench, are shown in Fig. 3a. The
two transmitters have equally good characteristics but they are not reproduced here. A
sensitivity of approximately 7 kc/s per degree centigrade is indicated for thermistor
temperatures between 150EC and 300EC, and an estimated overall measuring accuracy of
± 2 1/2%. is anticipated.
Intermodulation Interference Apprehension that inter-channel interference might
nullify the system for general use was soon dispersed. Preliminary tests on the bench
with both transmitters fitted on a, piston, temporarily removed for the purpose from a
Lister engine, showed that intermodulation interference between two adjacent channels
had been reduced to an insignificant value by the transmitter output filters and the
receiver selecting filters.
The inconvenience of providing more than one temperature environment on the bench,
i.e. one for the transmitters and others for the thermistors, was overcome by simulating
the thermistors at specific points in the desired range of temperature measurement up to
300EC with a number of resistances that could be switched into circuit in turn. Thus only
one changing temperature environment was required for the transmitters up to 100EC. In
no case did either transmitter when treated as an interfering source produce a change
exceeding 1 kc/s ( 0.2EC) in the frequency of the desired signal.
The piston assembly was then refitted in its engine and. connected to temperature probes
sited (a) near the Perimeter of the crown and (b) just inside the upper groove base. The
resets for half hourly runs which included start, light and full load conditions axe shown
in Figs 5a and 5b, the former for simultaneous operation of the two channels and the
latter for separate operation.
It will be observed that the shape of the temperature/time curve for each transmitter
during its separate run is slightly different from that obtained when both transmitters
were running simultaneously. Also that there is a temperature difference of 8EC and 5EC
for the final on-load temperature in channels A and B respectively. Nevertheless the
results confirm that no untoward phenomena a-rise during running conditions. The
differences referred to are believed to be due to slightly different running, conditions
and/or thermal inertia of the transmitter units themselves. Regarding the latter, it may
well be that monolithic designs of stable transmitters or circuits using film techniques

may shortly be available so that this probably major contributing source of error can be
eliminated.
Mechanical Strength, Signal Stability and Battery Capacity The transmitter units fitted in the Lister engine withstood the forces encountered under light and full load
conditions estimatedfrom stroke and RPla considerations, at ± 200g. One of the
transmitters was, in fact, finally fitted on the base of the con-rod where it also
experienced an impact force during every engine cycle, when plunging into the sump of
hot oil.
In the original design it was intended that the transmitting part of each channel consist of
a “throwaway” probe complete in itself i.e. containing the sensor, the transmitter and its
own small battery. But it was soon established that techniques at elevated temperatures
were not, and still are not sufficiently well known to warrant this fonvard step. Instead it
was decided to fit one transmitter on the piston underskirt, one on the con-rod, and the
batteries for both in a housing fitted to the conrod base. This would demonstrate possible
optional sitings for these components.
The problem of flexible connections between components on the piston and their
counterparts on the con-rod was solved by the use of copper tinsel wire insulated with
PTFE tubing - always routed round the gudgeon pin. The PTFE tubing was anchored to
frame near the ends where the tinsel wire emerged. This proved highly successful; and,
to demonstrate the durability of the tinsel wire some of the leads were duplicated, routed
round the gudgeon pin, connected in series, and the engine operated for a period of five
hours without the necessity for lead or component replacement.
During this test one of the transmitters was kept under close observation for stability.
The frequency did not change by more than 5 kc/s i.e. 1EC.
The power supply consisted of a battery of four Type RM625 RT Mallory cells
connected in series. The maker’s characteristics indicate an operating time of 60 hours
for one channel, 30 hours for two channels and pro rata for more channels.
Further Development It is intended to develop the system to enable eight parameters
to be observed simultaneously which must also cater for displacement measurement. The
only type of sensor that can be visualised at present for detecting movement in oil
atmospheres and under high temperature conditions is a small, multilayer coil embedded
in ceramic. The choice of high frequencies in the present system permits the use of a
small value of inductance and without an iron core. The inclusion of an iron core would
impose an upper limit, determined by the Curie point of the material, on the permissible
measuring temperatures; and manufacturing difficulties have yet to be overcome in the
use of ferrous material for transducers at 250EC upwards, Ref. (5).

Although the present design of transmitter unit is quite small, it is considered that, if one
were produced using thin film or integrated circuit techniques, then thermal delays
between its constituents components would be reduced with a consequential
improvement in meacuring accuracy.
Conclusions A system of telemetering information from piston engines using
frequency modulation of carriers in the band 1 to 10 mc/s and occupying 1 mc/s per
channel has been described and proved for two channels as regards temperature
measurement. Outstanding items of which details are given in the text axe:
(a)

A micro-miniaturised transmitter, adequately stable in frequency in its own right
throughout the working temperature range, 20 to 100EC, and capable of being
directly modulated by a thermistor sensor up to 300EC or more to give an
estimated temperature measuring accuracy of ± 2 ½%.

(b)

An arrangement for the non-contact coupling of components from the piston via
the con-rod to an external receiver.

(c)

A simple flexible lead system consisting of tinsel wire in PTFE tubing for
connecting components on the piston to those on the conrod.
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Fig. 1 - Basic Assembly

Fig. 2 - Transmitter (one Channel) Circuit
Diagram and Physical Dimensions

Fig. 3(a) - Transmitter Chaxacteristics. Frequencies for Constant
Sensor Temperatures up to 300EC

Fig. 3(b) - Calibration:- Frequency against Temperature
Transposed from Fig. 3(a)

Fig- 4(a) - Block Schematic - Single Channel

Fig- 4(b) - Block Schematic - Multichannel

Fig- 5(a) - TelemeteredTemperatures during Engine Trials
under Start, Light and Full Load Conditions.
Simultaneous Operation of Two Channels

Fig. 5(b) - Telemetered Temperaturesduring Engine Trials
under Start, Light and Full Load Conditions.
Separate Channel Operation

Fig. 6 - Layout of Single Channel Transmitter System
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SUMMARY Increased emphasis on the incorporation of additional safety features in
automobile designs has accelerated the adaptation of aerospace telemetry and datahandling techniques to the field of automotive performance testing.
Described is a multiple link FM/FM telemetry ground station as used for acquisition of
data from an automotive test track. System inputs adhere to aerospace telemetry
standards, the output being a computer-compatible digital tape. Detailed attention is
given to the high-speed sampling, data conversion, and digital tape formatting
subsystem.
INTRODUCTION With the advent of Federal Automobile-Safety Standards,
automobile manufacturers are finding it necessary to intensify their safety testing
programs. Ever-increasing quantities of analog data must be acquired at high rates and
converted rapidly to a form suitable for computer entry and detailed analysis.
In the past, carborne recorders or attached cables were the primary means of obtaining
data from a vehicle under test. These methods were not wholly practical as they placed
restrictions on the maneuverability of the automobile, added significant weight, and were
prone to failure under severe-shock conditions. The data acquired was analyzed
graphically, or manually converted for input to a computer.
The change to an FM/FM telemetry system for data transmission was an obvious
improvement. Multiplexed constant-bandwidth (CBW) subcarriers would ensure
economical use of each telemetry link. Now, only the transducers, subcarrier oscillators,

and transmitters need be mounted in the automobile. Test vehicles could perform on
high-speed tracks and in collision tests, unencumbered by carborne recorders or attached
cables.
The need still existed for a suitable ground station. In the interests of flexibility,
Volkswagen automotive engineers set forth the following criteria, for a system which
would meet the automotive-testing requirements of their company for several years:
1)
2)

All transmitted data must be recorded in real time.
The following off-line functions are to be provided:
a. The ability to select individual data channels for digitizing.
b. The selected channel or channels should be sampled and digitized to 12 bit
resolution in a predetermined sequence at the rate of 100, 000 samples-persecond.
c. A means must be provided to insert additional digital data into the digital data
stream.
d. Provisions must be made for insertion of several bilevel data channels into the
digital data stream.
e. The digital multiplex thus formed must be recorded on magnetic tape in the
IBM Model 360-50 computer format. This format requires nine tracks of
NRZ-I information at 800 characters-per-inch.
f. Digital tape data records are to be 2,048 characters in length.

The following paragraphs present a description of the system developed by Defense
Electronics, Inc., (DEI) to meet these criteria.
SYSTEM DESCRIPTION There are four FM/FM data links involved, each
consisting of a 10 subcarrier multiplex. Simultaneous reception of all four links allows
monitoring of up to 40 discrete data channels.
IRIG constant-bandwidth subcarriers are used to ensure equal signal delay through all
data channels and eliminate matching of data-bandwidth requirements to particular
subcarriers.
A block diagram of the overall system appears in figure 1. The data-flow paths are
indicated and the individual subsystems are identified.
Telemetry Receiver/Discriminator Subsystem The DEI Model TRDS-1 ReceiverDiscriminator System is capable of accepting signals from an RF source or previouslyrecorded magnetic tape. The RF signal processed can be an FM/FM signal in the 225
MHz to 260 MHz frequency range. A block diagram of this subsystem appears in
figure 3.

Incorporated within the system are a multicoupler, receivers, a reference oscillator,
mixing amplifiers, constant-bandwidth discriminators, detranslators, and tape-speed
compensation capabilities.
Through a flexible patching facility, the data to be de-multiplexed is selected from the
receiver output (real-time) or from a tape recorder (playback). The outputs of all 40 data
discriminators appear at the patch panel for monitoring by test equipment, and also at the
rear connector panel for connection to the ADRS-4 digitizing and formatting subsystem.
A preamplifier/multicoupler permits simultaneous reception of all four carriers using a
single antenna. Outputs to the four receivers are provided with four additional outputs,
allowing for future expansion of the system.
The receivers are DEI model TR-711 solid-state modular units which may be tailored to
almost any desired application by selection of the proper plug-in tuner, IF filter, and
demodulator. In this case the 215 MHz to 315 MHz tuner, a 500 kHz filter, and an
intermediate bandwidth AM/FM demodulator are incorporated in each receiver.
A video mixing amplifier combines a data signal and reference signal for recording on
tape. The reference frequency is used on playback for tape-speed error compensation.
A total of 40 data discriminators are available. The DEI Model SCD-4 Discriminator is
all solid-state and employs a unique pulse-averaging detector which provides excellent
stability.
In addition to the data discriminators, one reference discriminator is used to compensate
for tape wow and flutter and also recover a 100 kHz signal to be used for detranslation of
the upper portion of each subcarrier multiplex on playback.
Video Recording and Playback Subsystem The use of an Ampex Model FR-1800
Tape Transport with direct record electronics allows the four receiver video outputs to be
recorded in real time. This approach ensures that no data loss will occur.
Simple reprogramming of the video patch panel allows for off-line tape playback to the
discriminators, whose outputs in turn are directed to the ADRS-4 digitizer/formatter.
Analog to Digital Recording Subsystem The DEI Model ADRS-4 high-speed Data
Acquisition and Recording System provides a logical interface between “raw analog
data” and a digital computer. Included are an analog multiplexer, analog-to-digital
converters, memory, and a digital tape transport. DEI silicon high-speed logic modules
form the level detectors, digital multiplexer, data-format translator, parity generator, and
special character generators, as well as all control logic. A block diagram is presented in
figure 5.

This subsystem may be considered as an input or data-sampling and conversion section
and an output or digital tape formatting section, with the 2048 x 8 memory serving as
interface between the two sections.
With the required digitizing rate of 100, 000 samples-per-second and a maximum digital
tape recording rate of 96,000 characters-per-second (800 characters-per-inch at 120
inches-per-second), it is apparent that a “burst” sampling technique is required. This
technique employs sampling, converting, and storing data in a buffer memory at the
100,000 samples-per-second rate. A few milliseconds after the data storage cycle
commences, unloading of the memory onto tape at 96,000 characters-per-second is
initiated. The timing is such that the last data character in the record is stored in memory
and almost immediately unloaded onto the digital tape. Storing of the next record of data
begins immediately. Compensation for the sampling discontinuity involved is
accomplished by recording time code on the analog tape and using tape-search
techniques to recover any critical data located within the discontinuity.
The data-acquisition and conversion section of this subsystem accepts inputs from up to
16 of the data discriminators and from several digital sources. Analog data is routed to a
16 channel analog multiplexer and two 50,000 conversion-per-second analog-to-digital
converters. The converters are operated in a push/pull configuration, resulting in a
100,000 sample-per-second data throughput rate. The digital data is 11 bits magnitude
plus sign. The binary code is “1’s” complement. The multiplexer addressing sequence is
selectable at the control panel.
Inputs are provided also for six bilevel data channels. The individual levels are sensed by
Schmitt triggers and each is converted to a “1” or a “0” depending on the level
adjustment of the individual trigger. The six channels form one six-bit data word.
Rear panel connectors are provided for input of two digital words of 12 bits each. These
inputs may be dynamic or static binary data from two sources, one or both of which may
be a time code to provide time correlation for computer processing.
Two internal 12 bit digital words are provided, one of which is all “1’s” , the other all
“0’s”. These channels are provided primarily as aids in tape identification and for system
troubleshooting.
Digital multiplexer logic commutates the converted analog data, the level-detector output
word and the direct digital inputs. The sequence of commutation is selectable at the
control panel.
Twelve-bit words from the digital multiplexer are routed to the format translator for
conversion to eight-bit characters. The first character consists of the eight most-

significant data bits while the second word consists of the four least-significant data bits
plus four zero bits. The characters thus formed are stored in a magnetic-core memory.
Memory capacity is 2,048 characters, which constitutes one record of data.
The digital tape formatting section reads data from the memory at 96,000 characters-persecond. This corresponds to the transfer rate required for writing 800 characters-per-inch
on a magnetic tape moving at 120 inches-per-second.
Unique memory input-output logic in conjunction with the 1.6 microsecond memory
cycle time allows writing and reading to be interlaced at nonsynchronous rates with no
interference.
Odd vertical parity is generated for each data character as it is read out of memory. The
resulting nine-bit character is delivered to the tape write electronics and the cyclic
redundancy check (CRC) character generator.
The CRC character generator ensures complete compatibility with the IBM nine-track
tape format. A special check character is generated during each record of data, and
inserted on tape at the end of the record. Four character periods later, a longitudinal
parity timing pulse causes generation of the LRC character.
The ADRS-4 control panel provides complete flexibility of system operation. Some of
the unique control features are as follows:
Data acquisition may be continuous, single record, or single scan for each start pulse.
Start pulses may be locally or remotely generated to examine desired phases of an
automobile test.
Each of the 16 analog channels has a sample and hold amplifier. This allows either
simultaneous (no time skew) or sequential sampling of all analog channels, as selected
by the operator. This is especially valuable in analysis of transient data in the automobile
tests.
For maximum sampling rates, resolution may be sacrificed for speed by recording only
the eight most-significant data bits at the operator’s discretion.
Test modes and display units are provided for the analog to digital converter and
memory diagnostic tests.
An illuminated indicator for vertical parity errors is provided.

Selector switches and indicators are provided for visual monitoring of any data channel.
Channel selector switches allow the digital multiplexer to sample up to 20 analog and
digital channels in any desired sequence.
A special recording mode is provided to allow short records of identification information
to be placed on the tape ahead of the desired data.
CONCLUSIONS The system described provides a user with several distinct
advantages. The flexibility inherent in a true telemetry system allows both true
environmental testing, and simulation tests such as those on computer-controlled test
stands.
Perhaps an even greater advantage is the time and expense saved by use of multiple data
links and rapid conversion of data into a computer-compatible form.
Adherence to IRIG telemetry standards enables the purchase of off-the-shelf equipment
to meet the needs of future system expansion.
This particular system is designed for a specific application. Obviously the system
philosophy is adaptable to any situation in which high data-conversion rates are
necessary and a specific digital tape format is required.
Systems such as this are an example of the advantages which may be derived by adapting
aerospace technology to industrial needs.
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OPTIMUM TELEMETRY FOR A METEOROLOGICAL
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Summary In order to predict the large-scale elements of the atmospheric circulation,
measurements must be made on a global scale. One such method of measurement
involves the telemetry of meteorological data from balloons floating at a constant level
over the earth. The balloons are interrogated and their data relayed through a
synchronous satellite to a central ground station.
A study, funded by the Environmental Science Services Administration, has been made
to determine the optimum electronics, in the sense of low cost, for the interrogation and
telemetry systems within the constraints of minimum weight and power.
This paper presents the problems of such a system, the approaches to the selection of an
optimum system, the system selected, and a discussion of the implementation of the
electronics of the selected system.
Introduction To predict the large-scale elements of the atmospheric circulation,
measurements must be made on a global scale. One such method of measurement
involves the telemetry of meteorological data from balloons floating at a constant level
over the earth. The balloons are interrogated and their data relayed through a
synchronous satellite to a centrally located ground station (1).
Texas Instruments Incorporated was engaged by the Environmental Science Services
Administration (ESSA) of the Department of Commerce to study techniques for the
development of a low-cost balloon telemetry package compatible with the NASA
OMEGA Position- Location Equipment (OPLE) experiment (2).
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ESSA requires a meteorological atmospheric monitoring system which will be
accomplished by untethered constant-level balloons. This system will ultimately consist
of a network of 3000 to 6000 balloons aloft simultaneously. A weather monitoring
system of this nature can be made economically feasible by establishing the balloonground communication link via a satellite.
At present, a most promising approach to the implementation of a balloon system is one
based on the OMEGA Navigational System developed by the Department of the Navy
(3). In this system, the balloon location is determined via the OMEGA signals which are
received by a VLF receiver on the balloon platform. The OMEGA data along with the
meteorological sensor data is relayed to a ground station by means of a VHF (or UHF)
link to a satellite. The satellite serves as a transponder and provides no processing or
storage functions.
To establish the technical feasibility of this approach, NASA’s Goddard Space Flight
Center is undertaking an experiment with the ATS/C Satellite. This experiment is
scheduled to take place during the last quarter of 1967 or the first quarter of 1968.
To facilitate the transition from an experimental to an operational balloon system, ESSA
is conducting a program in parallel with the NASA experiment directed toward
developing operational parameters of the balloon system. The purpose of the already
completed design study program was to derive low-cost electronic techniques for use on
a satellite interrogated balloon system (4).
The general approach taken to synthesize the design of a low-cost balloon electronics
package was as follows:
Describe the constraints and requirements (functional, physical, economic) which
the system must meet to successfully carry out the intended mission.
List the possible configurations of each subsystem compatible with the functional
constraints and requirements previously established.
Review technologies available for the implementation of the different system
configurations.
Select that configuration and technology which best match the physical and
economic constraints and requirements.
Special consideration was then given to the detail design of the electronics package in
order to project expected development and production costs.

This paper describes the results of that synthesis with the implementation of the selected
subsystem configurations being given in detail. Some of the general considerations of the
interrogation subsystem, sensor data processor subsystem, and the implementation
considerations are also given.
Interrogation Subsystem The interrogation subsystem is that part of the balloon
platform electronics package which determines when a sensor data and OMEGA data
transmission should be initiated. There are basically two types of interrogation
subsystems: (1) the internally actuated, self-contained preprograrnmed timer system, and
(2) the externally actuated, command receiver system.
The internally actuated subsystem is simply a timer which initiates data transmission at
preset intervals. The externally actuated subsystem consists of three basic elements: (1) a
command receiver which receives and demodulates a radio frequency carrier, (2) a
command detector which accepts the receiver output and produces command data, and
(3) a command decoder which decodes the command data and initiates the appropriate
action.
Certain classes of subsystem components were eliminated from consideration because of
their obvious complexity which would be reflected in an increased cost and difficulty of
unattended operation. One such class of subsystems are those which employ phaselocked loops in their receivers or detectors. Another class are those which use an
automatic frequency control in their receivers, since an AFC circuit is as complex as that
of a phase-locked loop. Amplitude modulated receivers were not considered due to their
sensitivity to atmospheric noise.
Preprogrammed timer subsystems and analog decoding subsystems were eliminated from
consideration because of their inflexibility and the relatively small number of platforms
which could be addressed.
The command receiver and detector selected was an FM receiver with a wideband
discriminator detector using FSK split-phase modulation. The use of a wideband
discriminator allows the frequency stability requirements within the receiver to be
relaxed. It is necessary only to maintain the receiver intermediate frequency in the
discriminator bandpass, for with the use of split-phase coding, there is no dc component
of information. Thus, the discriminator will operate satisfactorily at any segment
of its dynamic range.
Only the leading rf stages need to be designed as extremely low- power circuits for
continuous operation. An rf detector in this section may be mechanized to recognize the
initiation of an interrogation sequence and command power turn- on to the remainder of
the platform.

A PCM decoder was chosen because it allowed a large number of platforms to be
operated with unique addresses, it allowed for error detection coding to be used, and
digital logic is inherently small.
Sensor Data Processor Subsystem The sensor data processor subsystem is that part
of the balloon platform electronics package which is designed to accept data in analog
form from the meteorological and/or platform performance monitoring sensors, then
condition or format this data to be presentable to the modulator of the telemetering
transmitter. This sensor data and associated synchronizing signals in conjunction with
the retransmitted OMEGA position locating data comprise the total information content
of the platform response. This section of the paper synopsizes the results of the study of
the sensor data multiplexing only, with the position locating subsystem considerations
beyond the immediate scope of effort. The OMEGA data transmission will be considered
to occupy an invariant 180-second time period in each platform’s response.
The constraints imposed on the sensor data processor design were:
32.1 dB/Hz unmodulated carrier-to-noise power ratio
2 kHz bandwidth assigned to each platform
The aforementioned 180- second OMEGA data transmission time.
Variable parameters included:
Accuracy of the data (error introduced in the coding, transmission, and decoding
processes)
Number of sensors assigned to each platform
Number of platforms in service at any one time
Time duration of the platform interrogation sequence
Time interval between successive interrogations of each platform
Number parallel channels, or simultaneously responding platforms, which may be
accommodated by the communications link.
The purpose of the study was to define a system by the optimum combination of
parameters from the latter listing, under the constraints of the former list, that would
effect the lowest cost and be functionally adequate.
A popular basis for the comparison of multiplexing schemes is in the “information
capacity” of each technique. Sensor data to be formatted on the platforms will be
essentially dc; therefore, the implied zero bandwidth causes the classical information
capacity definitions to fail. A suitable substitute in the context of this study was to
consider the balloon system dimensions each technique would support. The normalized
variable BI/N comprised of the number of balloons in operation (B), the number of daily
interrogations of each balloon (I), and the number of parallel channels (N) was chosen to
denote system dimensions.

Of the many multiplexing techniques, three were selected as being adequate for the
sensor data processor application. These were:
PAM/FM/PM
PDM/PM
PCM/PM.
The PAM/FM/PM system contained a single low-frequency SCO with a commutated
input due to the very narrow 2 kHz bandwidth restriction. It was considered adequate in
this application by virtue of the low development costs made possible by off-the-shelf
equipment; The relatively low data accuracy of 10 percent is justified on a cost basis for
a small-scale experimental program.
The PDM and PCM systems incorporated a centralized organization, containing a single
pulsewidth converter or ADC. The higher reliability of the decentralized design was
unjustified when system cost was considered in the light of the balloon vehicle attrition
rate.
PCM is the better of the two systems, as would be expected. However, in the region
below approximately 20 sensors/balloon, comparable performance is provided by each
system with a data error allocation no less than about 5 percent, and I percent data
accuracy is attainable with the PDM system with relatively small expense in BI/N. A
subsequent examination of the two techniques in their full implementation revealed
PDM to be the better when cost consideration is paramount.
Implementation Consideration In determining the least expensive technique for
producing the interrogation and sensor data processor subsystems, it was found that an
array approach was necessary in order to meet the physical and economic specifications
imposed on the system.
Two technologies suitable for array implementation were investigated. These were the
bipolar and metal oxide semiconductor (MOS). A comparison of the relative advantages
and disadvantages of these technologies with respect to application in this type system
resulted in the selection of the MOS technology. The major advantages of this
technology are: (1) greater functional complexity achievable in a given area, (2) low
power requirement, (3) superior operational characteristics at low temperature, and (4)
relatively low development and production cost per array chip based on an experimental
system consisting of 100 to 200 platform electronic packages to be produced in the
period from 1968 through 1970.
Once the selection of the technology was made, both of the selected techniques for
performing the functions required of each the interrogation subsystem and sensor data
processor subsystem were developed in logic block diagram form. From these, the

number of MOS array chips, the power required, and the weight of each subsystem
implementation were determined.
A comparison of this data was made. The result of the comparison was the selection of
the pulse duration modulation approach to the sensor data processor subsystem and the
pulse code modulation approach in which word synchronization is utilized for the
interrogation subsystem.
Implementation The PCM interrogation subsystem, shown in Figure 1 in a
combination block and logic diagram, is an implementation of the general PCM decoder
discussed previously with the receiver and detector included. The receiver and detector
will not be discussed except to say that the PCM data format is split-phase so that there
will be no dc component which could be affected by frequency drifts. The output of the
discriminator is limited to provide as clean a PCM signal as possible to the decoder.
The bit synchronizer functions as follows. The split-phase data is differentiated to
produce pulses at each of its transitions. Next, the negative pulses (which come from the
negative transitions) are inverted and added to the positive pulses to give a stream of
positive pulses which occur at each of the original data transitions regardless of their
direction. If this pulse stream is observed carefully, it will be noted that there is a
substream of pulses which occur at the bit rate and occur at the center of each bit period.
There are also the other pulses which may occur at the bit period boundaries which must
be ignored or a phase ambiguity may occur.
These pulses are ignored by triggering a monostable multivibrator whose period is threefourths of the bit period. If the monostable triggers on the pulse at the bit boundary, it
will soon reach a point where there is no pulse on the bit boundary and will shift to the
pulses which occur at the center of the bit period. Once this has happened, the
synchronizer is in lock since there is no bit which does not have a transition at its center
and the monostable cannot respond to a trigger while it is in its active state.
The output pulses from the monostable clock the 19- stage register which samples the
input data stream at a point in time which is onequarter of the bit period. At this time the
data bit has the same level as the NRZ data from which it was derived and, therefore, the
correct data level is clocked into the register. Since the register responds only when
clocked, the data within the register has been restored to NRZ format.
As the data is clocked through the register, the frame synchronization code is recognized
by the frame synchronization gate. When this happens, the flip-flop is set opening the
gate to the five-stage counter. This counter puts out an interrogation pulse to the address
decoder every 19 bits; that is, whenever there is a new interrogation data word in the
register.

If the address of the platform is recognized by the address decoder gate, the interrogation
pulse is sent on to the command decoder where it is routed to the appropriate command
line. If the command is for a normal data transmission, the flip-flop is set sending an
“address decoded” signal to the sensor data processor.
The command format used here is 17 bits of address followed by two bits of command.
This provides for a maximum of 131,071 platform addresses and four commands. As
addresses are used they are set at the maximum coding distance possible consistent with
the number of platforms in use. At a minimum the platforms should be manufactured in
sequence such that there is distance two between each succeeding address; that is, such
that a minimum of two bit errors are required to give an erroneous response to an
interrogation. Such a pattern of manufacture will practically ensure that there are never
two platforms in use simultaneously whose addresses differ by only one bit.
The subsystem can be implemented on a single chip, 100-mil by 100-mil in area having
33 external leads. As the technology advances, it should become possible to integrate the
decoding matrix onto the chip and reduce the number of external leads to 16.
Considering only the logic portion of the interrogation subsystem, the production cost of
the logic array will be less than $50, the power consumed will be less than 100 mW, and
the weight will be less than 50 grams.
Although the receiver and discriminator cannot be included in the discussion of the MOS
array technology, microminiaturization of the circuits is at present possible with the use
of MERA rf amplifiers and bipolar video amplifier integrated circuits. VHF tuning
elements may necessarily be discrete components; however, printed circuit striplines are
feasible in the UHF spectrum.
The MOS array implementation of the PDM sensor data processor subsystem is shown in
block- schematic form in Figure 2. Each of the blocks shown is an MOS circuit or series
of circuits.
Operation of the subsystem begins with power turn- on. This occurs when the platform
receiver signals the power supply subsystem that rf is detected. The power supply
subsystem then applies power to the sensor data processor (SDP) subsystem. As power
comes on, a pulse circuit, implemented on the MOS chip, sends a pulse to each flip-flop
circuit on the chip. The signal is tied either to the set or reset line (preset or clear,
respectively, for the master-slave flip-flop) of each flip-flop in such a way that each is set
up in a known state.
Referring to Figure 2, at power turn- on, we see that all stages of the nine master-slave
flip-flop binary counter are preset. The astable multivibrator starts generating a 1.46-kHz

square wave at this time. This square-wave signal is counted down by the nine- stage
binary counter and an output is taken from the last stage. The square-wave output is
differentiated, with the result that a negative pulse 500 microseconds wide is generated
every 350 milliseconds. Each pulse, which can be defined as word sync, is applied as a
trigger to a one-shot multivibrator which provides a delayed strobe pulse to the
pulsewidth converter. The word sync pulses are also used to clock shift registers A, B,
and C.
Shift registers A and B are used in the relatively primed mode of operation. The purpose
of these registers is to generate fixed delays from the time power is applied to the
subsystem. Particular outputs are taken from each of the registers to coincidence gates.
In this manner, two different delayed outputs are generated. The first of these occurs
after 29 word sync pulses have shifted the logical ones, set into the first bit positions of
registers A and B at power-on, to bit positions which are coincidentally gated. The
resulting pulse occurs 29 x 350 milliseconds or 10.15 seconds after power is applied to
the subsystem. In this amount of time all platforms in a particular interrogation frame
will have been addressed. Therefore, at the end of 10.15 seconds a flip-flop is reset such
that two NOR gates are enabled. One of these produces an output depending on whether
or not the platform interrogation subsystem has decoded its address. If it has not, a flipflop is set which applies a signal to the power supply subsystem to turn off power (return
the platform to standby). If the platform address has been decoded, a different flip-flop is
set applying a signal to the power supply subsystem to turn on power to the transmitter
and the OMEGA subsystem. At this time, the transmitter begins transmitting an
unmodulated carrier frequency, and shift registers A and B continue their counting. A
second delayed output comes after 44-word sync pulses have shifted the logical ones,
circulating in shift registers A and B, to the last bit positions simultaneously. A
coincidence gate tied to the Q outputs of these bits produces a unique output at this time.
This output occurs 44 x 350 milliseconds or 15.4 seconds after power is applied to the
subsystem. The additional delay of 5.27 seconds from the time the platform transmitter
comes on allows the ground station time to acquire lock on the transmitted frequency.
The output resulting f rom the 15.4- second delay causes two things to happen: (1) a flipflop is reset to remove the “O” clamp signal which has been holding the output to the
modulator at ground up to this point; and (2) a logical one is applied to the data input of
the first bit in shift register C.
Shift register C is composed of 15 static shift register stages, each of which was reset at
power turn- on. Up to the time that a logical one is applied to the data input line of the
first bit, logical zeros have been propagated along its length as it has been clocked with
word sync pulses. The purpose of shift register C is to sequence the analog gates such
that analog input data from each of the sensor signal conditioners is time multiplexed
into the pulsewidth converter.

After a logical one has been applied to the first bit of register C, the succeeding word
sync or clock pulse sets that flip-flop to a logical one. This output sets a flip-flop which
blocks the coincidence gate on the delay registers. This is necessary because of the cyclic
nature of the relatively primed technique used to generate the delay. The Q output of the
first bit of register C is also tied to the enable input of analog gate 1. When Q goes to a
logical one, the analog gate turns on, like a closed switch, applying the output of sensor
1 to the pulsewidth converter. The logical one is shifted one bit to the right in register C
with each succeeding word sync pulse so that each analog gate is enabled in turn, thereby
sequencing the sensor inputs to the pulsewidth converter.
Several points should be noted here about the data multiplexer. First, shift register C is
15 bits long and each of 13 of its outputs enables an analog gate. The first three analog
signals multiplexed into the pulsewidth converter are calibration voltages which are
derived from the sensor signal conditioner power supply. The use of “in operation”
calibration overcomes sources of error such as long-term drift of the astable
multivibrator from which word sync is derived and threshold changes in the pulsewidth
converter. The second point to be noted is the use of the fourth and fifth bits of shift
register C to provide a frame sync. These two outputs are used to perform the same
function as the “O” clamp, in that they force the output to the modulator to ground for
the two words following the calibration data. This allows the ground station to recognize
the frame or block of data words being transmitted from the platform. After the twoword frame sync, the output gate to the modulator is once more enabled such that the ten
following data words may be applied to the modulator. The third point pertains to the
feedback around shift register C. This feedback allows a logical one to be shifted
through the register twice, in order to read out two frames of data per platform
interrogation. The feedback is accomplished through the use of a master- slave flip-flop
and appropriate gating. The master-slave flip-flop, which was cleared at power turn- on,
is toggled the first time a logical one is shifted out of the eleventh bit of shift register C.
This enables a NOR gate so that when the logical one is shifted into the last bit the first
bit has a logical one reapplied to its data input. Thus, a logical one is once more shifted
down the length of the register. The second time the logical one is shifted out of bit 11,
however, the master- slave flip-flop toggles back to the opposite state, thereby clamping
the data input line of bit one to a logical zero and enabling a NOR gate such that when
the logical one is shifted into the last bit of shift register C, the second time, the data
input line of the output shift register bit is steered with a logical one. The succeeding
word sync pulse then sets this bit to a logical one. The output bit provides a signal to
start the OMEGA subsystem operation while setting the “O” clamp flip-flop, thus
reclamping the SDP output to the modulator to ground.

The SDP subsystem can be implemented on two chips, each 100-mil by 100-mil in area,
with the circuit division defined by the dashed line in Figure 2. One chip would require
26 external leads, the other, 16. Total subsystem power will be less than 100 mW, total
weight less than 100 grams. Estimated costs for the subsystem are $50 per chip.
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Figure 1. PCM Interrogation Subsystem

Figure 2. Sensor Data Processor PDM, MOS Implementation

SINGLE SIDE BAND TRANSLATION TECHNIQUES FOR FM DATA
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Summary A Single Side Band Data Translator has been developed and used
successfully with any combination of reference and data frequencies from 100 Hz to
10 MHz. This translator, consisting of a computer calculated 90E phase difference
network and field effect transistor multiplier circuits yielded undesired sideband signals
which were at least 50 db below the desired sideband level over an input frequency range
of ten to one. The translator was used to implement a system which recorded 75 timecorrelated broadband data channels on a single track of a 5 MHz rotating head tape
recorder. After de-translation, a signal to noise ratio of 60 db was measured with the
recorder by-passed and a signal to noise ratio of 40 db was measured with all channels
recorded. This paper presents the results of research carried out under Contract No.
N123(60530)51701A sponsored by U. S. Navy.
Introduction Two methods of single sideband translation were evaluated. One method
employed undesired sideband elimination by filtering, while the other method used phase
cancellation of undesired sidebands.1 The phase cancellation method was chosen since in
timecorrelated, multi-channel systems adequate filtering of undesired signals which
differ in frequency from the desired signals by 1% or less is not feasible. For example, a
40 kHz carrier translated about a 4 MHz reference generates sidebands at 3.96 MHz and
4.04 MHz which cannot be practically separated by filtering without affecting time
correlation between channels. On the other hand the reverse process of de-translating the
4.04 MHz recorded signal about the same 4.0 MHz reference generates the original 40
kHz carrier and an 8.04 MHz sideband which is easily eliminated by conventional
filtering.
Figure 1 is a functional block diagram of the translator. The following equations refer to
various points on Figure 1. The input signal at e1 is a sinusoidal waveform at a fixed
1

F. E. Terman, Electronic and Radio Engineering, McGraw Hill Book Company, Inc. , New
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frequency while the signal at e3 is a sinusoidal waveform whose frequency is allowed to
vary over a 10 to 1 range.

Substituting in equations 7, 8, and 9 yields:

In equation 12, the difference frequency terms of e7 and e8 cancel as both terms are
identical except for being 180E out of phase. Thus, the upper sideband signal is obtained
at e9, while the lower sideband signal is cancelled. If desired, the sum frequency term
may be made to cancel by reversing e1 and e2 at the modulator inputs, resulting in a lower
sideband output at e9.
Ideally, the complete cancellation of the undesired signal occurs when the amplitudes of
the undesired frequency terms are the same, and when the phase difference between them
is exactly 180E. Identical amplitudes as a function of frequency were obtained by
designing linear, broadband circuits (flat to 10 MHz) to perform the balanced modulator
function, and by using R1 for vernier balance adjustment. The phase shift accuracy, on
the other hand, is primarily a function of the 90E phase shift network tolerance which
affects the undesired sideband rejection as shown in Figure 2.

The requirement for a precise 90E phase shift is easily met for the fixed reference
frequency input, while the implementation of a 90E network for the broadband data input
is at best difficult. Fortunately, broadband phase difference networks have been
previously developed for application in single sideband communications. A method of
achieving such a network, described by Weaver2 was employed. This method is given in
step by step calculation form and results in a Resistor-Capacitor lattice network with two
outputs. These outputs have a relatively constant 90E phase difference with respect to
each other and varying phase shifts with respect to the input of -22 (see eq. 12) and -22 B/2.
A Fortran-coded computer program was used to calculate the network element values
and to check the network performance. The program consisted of the network calculation
procedure, and the network transfer function. Two minutes of CDC 1604 computer time
were required to obtain the results, which contained network RC element values in ohms
and farads, the slope of the phase curve vs frequency, and the exact phase shift values.
The slope information was later used to compensate the network phase characteristics for
linear phase response.
Figure 3 shows the results of one computer run. The frequencies of operation are from
10 kHz to 100 kHz. The circuit can be directly scaled to operate at other frequencies. For
example, to operate over another ten to one range of 1 kHz to 10 kHz, capacitors ten
times larger than the values shown, or resistors one tenth of the value shown can be used.
The insertion loss of the circuit shown is about 20 db, roughly inverse of the ratio of
operating frequencies. This relationship was found to be a good approximation to
frequency ratios of one hundred.
The problem of time correlation should also be discussed for completeness. 22 of
equation 12 is a non-linear function of input frequency. To obtain linear phase
characteristics an all-pass phase compensation network design described in reference3
was used. (See Figure 1) This design procedure gives a family of phase shift vs
frequency curves, for which network element values can be calculated. One of these
curves waschosen to yield a close approximation of the phase non-linbarity complement
of the 90E phase difference network. The compensation was adequate for an operating
frequency range of 5 to 1, yielding an overall envelope delay variation of less than 5
microseconds. For translators operating over wider frequency ranges a more satisfactory
compensation network must be realized.
2
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Another requirement in the design of this translator was a balanced modulator with nonlinearity of 1% maximum and frequency response from near DC to 5 MHz. The circuit
shown in Figure 4 has amplitude nonlinearity in the range of 0.1% to 0.376 and
frequency response essentially flat, from 100 Hz to 10 MHz. Operation to DC is possible
by direct coupling of the input circuitry.
A good understanding of the operation of this circuit can be achieved by comparing it
with a conventional potentiometer multiplier. Each field effect transistor is treated as a
voltage variable resistor. The common source point is equivalent to a variable pick-off
point proportional to the input gate signal. The output is then directly proportional to the
gate signal and the drain signal; the result is a nearly perfect multiplier with extremely
broadband characteristics. For the devices shown, the best operating levels are:
Gate Bias approximately -2 VDC, gate to source
Drain Signal level approximately 300 MV p-p
Gate Signal level approximately 2 V p-p
The full scale output for these levels is approximately 300 MV p-p. The gate bias level
of each FET is individually adjustable, as shown in Figure 4, for balancing the output
zero with either input at zero. For best amplitude linearity, FET matching to about 10%
on forward transfer admittance and drain to source resistance was found desirable.
Alignment and adjustment of the translator was accomplished with the aid of a spectrum
analyzer. The following major adjustments were required: a) 90E phase shift of the
reference signal, and b) translator amplitude balance (R1 of Figure 1). These adjustments
are independent, and, therefore, alignment was a relatively simple task. Each adjustment
was aligned to minimize undesired signal amplitude on the spectrum analyzer display.
The phase difference networks were aligned prior to assembly by component value
bridging to achieve capacitor accuracies of 0.1 percent, and resistor accuracies of 0.05
percent. The results were verified by undesired sideband suppression measurement.
Close agreement with calculations was obtained.
The main application of the discussed translator was in translating several multiplexed
groups of Frequency Modulated Subcarriers to higher frequencies to obtain efficient use
of a 5 MHz tape recorder. Figure 5 shows actual photographs of the frequency spectrum
presented to the recorder. In Figure 5B areas X and Y are typical. Six Subcarrier
Frequencies from 50 kHz to 230 kHz were summed together and translated about a 3.2
MHz reference frequency. The resulting lower sideband output was a group of
frequencies shown in area “X”, ranging in frequency from 2.97 MHz to 3.15 MHz. Area
“Y” is where the undesired sideband would be if it were not cancelled. The other 5
groups of frequencies were made up of the same subcarrier frequencies translated about

different reference frequencies. All of the translator outputs were summed with a
broadband summing amplifier whose output is shown in the pictures. Figure 5A has a
different bandwidth displayed, showing 8 summed multiplexes and a 5 MHz signal
recorded as a tape speed compensation reference.
Conclusion The single sideband translator design technique described in this paper
affords efficient utilization of the DC to 10 MHz frequency range for transmission or
recording of multi-channel time-correlated data. Both frequency and amplitude
modulated channels or channel groups can be uptranslated to a higher frequency range
and downtranslated to their original frequency without introducing appreciable
degradation of the signal quality.
Acknowledgernents The circuit design involved in the successful completion of this
translator was materially aided by Messrs. J. Kellogg, R. Updegraff, and M. Balodis,
Lear Siegler, Inc. /Electronic Instrumentation Division. Howard Nathans of
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RUGGEDIZED QUARTZ OSCILLATOR CRYSTALS FOR GUNLAUNCHED VEHICLES
F. T. LISS and J. F. RICHARDSON
Telemetry Branch
Harry Diamond Laboratories

Summary This paper describes a small hermetically sealed quartz oscillator crystal
assembly capable of withstanding gun-launch accelerations of 30,000 g and some larger
experimental units that have survived accelerations up to 70,000 g.
Introduction Harry Diamond Laboratories (HDL) is engaged in the design of high-g
telemetry systems for use in research and fuze testing programs. Environments
encountered by telemeters in research vehicles, such as those used in the High Altitude
Research Probe (HARP) program and its offshoot the Low Altitude-High Velocity
(LAHIVE) program, are more severe than those encountered in the fuze testing
programs. In the HARP 5-in. gun application, for example, the telemeter must survive a
peak launch acceleration of 50,000 g; whereas in the most severe fuze testing program,
the survival requirements are approximately 23,000 peak acceleration with a 360-rps
spin. The accuracy and stability of these systems have been limited by the performance
of conventional LC oscillator circuitry. To improve the performance of high-g telemeters
and to meet IRIG telemetry standards on Department of Defense missile test ranges, a
program was initiated to ruggedize quartz crystal assemblies.
Method of Testing Survival tests covered in this paper were made by potting the
crystals in a test projectile and firing the projectile into a recovery trough filled with a
sawdust-styrafoam mixture. Peak accelerations were obtained from standard copper-ball
crusher gages. In the 70,000 g peak acceleration test performed in an 80-mm smoothbore test gun (a rebored 75-mm howitzer), the crystal is g loaded for a period of 2 msec.
When fired at 30,000 g, the loading period is increased to about 5 msec.
Techniques Gun-launched tests on commercially available pin-mounted and pressuremounted crystals indicated that the units could withstand peak accelerations of 1000 to
3000 g. Pressure-mounted units failed because the clamping electrodes were
inadequately supported. Pin-mounted units failed because the crystal became detached
from its supporting pins. The crystal blanks themselves survived firings up to 14,000 g,
however, so it became apparent that survival at higher g levels would be obtained if a
more rugged mounting scheme could be devised. The ruggedizing effort was centered

around modification of a pressure-mounted unit, since the crystal in this unit is already
supported by discs whose surfaces can be ruggedly supported.
In the unmodified CR 24/U-type mounting shown in figure 1, the crystal is placed
between two quartz discs and the assembly clamped in an HC-10/U metal holder. The
surfaces of the discs are made slightly concave to prevent pressure on the central portion
of the crystal. Electrical continuity between the plated electrode on the crystal side of the
disc and the plated contact surface on the opposite side is established by plating through
a notch in the disc.
In the first attempt to modify the CR 24/U unit, the crystal sandwich was removed from
its metal holder and epoxy applied around its edge. Leads were attached with silver paste
and the unit was dipped in wax before being potted in a test projectile.1 The three crystal
units on the left in figure 2 illustrate this type of packaging. Thirteen units were fired at
35,000 g and five at 70,000 g without a single failure.
Frequency stability tests at room temperature were made in the 50-MHz oscillator shown
in figure 3. The stability of the unmodified units was 5 x 10-4 percent, while that of the
epoxy-potted units ranged from 1 x 10-3 to 2 x 10-2 percent. When the oscillator was
tested over the temperature range from -40E to +90EC, the maximum frequency
deviation with factory-mounted crystals was about 0.004 percent. The epoxy-potted units
behaved erratically with temperature and were unable to control the oscillator frequency
over the entire temperature range. Their performance at room temperature also
deteriorated a few days after potting.
The crystal unit in the extreme right in figure 2 was fabricated by inserting the crystal
sandwich in a molded silastic enclosure and sealing the package with epoxy. The
temperature characteristics of these units are similar to those of the unmodified units but
the series resistance is pressure-sensitive. For this reason, it was necessary to mold the
silastic in a metal can, apply pressure to the can until the proper series resistance was
obtained, and then solder-seal the can. Only two units were tested at 70,000 g. Both
survived but the packaging process was not pursued further because of its complexity.
A screw-adjustable fixture was designed to facilitate the crystal pressure adjustment. In
this scheme, the crystal assembly is sandwiched between two pieces of 1/16-in. silicone
rubber and placed in an aluminum can. Pressure is then applied to the unit by a screwadjustable fixture. The complete unit and its frequency-versus-temperature characteristic
before and after a 61,000 g gun launch is shown in figure 4. Three of the four units test
fired at 70,000 g survived. Failure of the fourth unit resulted from crystal breakage. In a
fourth mounting scheme the screw-adjustable aluminum case was replaced with a nylon
1
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case of the same dimensions. This unit is shown on the left side of figure 5. Four out of
five units tested at 65,000 g survived. Electrode continuity was lost on the fifth unit
when the plating chipped in the plating notch. One of the surviving nylon units was
potted in the crystal oscillator section of a synchronized 250-MHz transmitter. This
transmitter survived a gun launch at 30,000 g and functioned normally during a spin test
at 360-rps. The crystal units were rather large, however, so work was initiated to reduce
their size.
The first size reduction was achieved by replacing the adjustable nylon pressure cases
with modified HC10/U cases. The modification consisted in shortening the can length
from 3/8- to 1/4-in. and replacing the top and bottom of the can with 1/16-in. brass discs.
This unit is shown on the right-hand side of figure 5. Five units were fired twice at
20,000 g and two units at 30,000 g with no apparent change in electrical characteristics.
Six units failed to survive test firings at 65,000 g. Frequency-versustemperature
characteristics were obtained on ten units over the temperature range -40E to +90EC. The
frequency stability of these units ranged from 0.003 to 0.005 percent. A typical
temperature run is shown in figure 6.
Periodic measurements are being made on one of the units to determine whether or not
the packaging materials have a deteriorating effect on the electrical characteristics of the
crystal. No deterioration has been observed in the ten-month interval that has elapsed
since the crystal was packaged.
Final Version Since the 30,000 g test was considered an adequate overtest for our
most severe 23,000 g fuzing requirement, a contract was awarded to Midland-Wright to
fabricate 110 hermetically sealed versions of this ruggedized package. The MidlandWright unit is shown in figure 7. In this unit, the plating notch was replaced by a flat
surface on the electrode disc and the crystal diameter was reduced from 0.5 to 0.4-in. As
shown in figure 8, the complete ruggedized package is slightly smaller than the
commercially available CR 24/U unit. Ten units have been received and tests have
started. Five out of six units fired at 26,000 g survived with no apparent change in
electrical characteristics. Failure of a solder joint in the hermetic seal of the sixth unit
resulted in an intermittent contact. The unit functioned normally when the solder joint
was resealed. In each of three units test fired at 70,000 9, failure resulted from crystal
breakage.
Future plans call for a supplemental effort to improve the mechanical structure of the
crystal assembly by replacing the heavy contact assembly with a conducting ribbon. This
should permit the unit to be flown at g levels approaching those used in testing the larger
screw-adjustable nylon units.

Figure 1 - CR24/U Crystal Unit.

Figure 2 - Epoxy and Silastic Units.

Figure 3 - 50 MHz Crystal Oscillator.

Figure 4 - Adjustable Fixture and Temperature Curve.

Figure 5 - Nylon and Metal Cased Units.

Figure 6 - Hi-G Crystal Temperature Curve.

Figure 7 - Midland-Wright Unit.

Figure 8 - CR24/U and Ruggedized Crystal Units.

A PULSE-CODE-MODULATION (PCM) TELEMETRY SYSTEM
UTILIZING MULTIPLE INTEGRATED CIRCUIT TECHNOLOGIES
D. C. FOX
Data Systems Division
Autonetics
A Division of North American Aviation, Inc.

Summary This paper describes a Pulse-Code-Modulation (PCM) Telemetry System
contained on a module that is unique in several ways:
1.
2.
3.

Uses all Integrated Circuits (Ics).
Integrates many IC types and technologies for superior system physical,
environmental, and performance characteristics.
Multiplexer section:
a.
b.
c.
d.

Uses one type of IC (MCIS multifunction IC)
Is bipolar (both positive and negative voltages can be multiplexed)
Accepts low- or high-voltage inputs (±51.1 mv to ±5.11 v)
Is extremely small and compact (5 ICs total, provides 48-channel
multiplexing)
e. Accepts both differential and single ended channels
f. Is controlled by random or sequential addressing modes
4.

Amplifier section:
a.
b.
c.
d.

5.

Has high input impedance (100 meg ohms)
Has high common mode rejection (to 120 db)
Has gain (1 or 100)
Has sample and hold capability

Analog-to-Digital Converter (ADC) section:
a.
b.
c.
d.

Is bipolar (both positive and negative voltages can be converted)
Has high accuracy (10 bits)
Uses current summation with successive approximation
Has high speed (up to 1 MHz)

System Description This all-integrated circuit PCM Telemetry System accepts analog
voltages of different ranges and polarity, multiplexes these voltages, amplifies and holds,
and converts these voltages to digital values for transmission. Figure 1 shows a block
diagram of the PCM Telemetry System. The system is capable of accepting 48 channels
of information and providing 6 bits of address, if desirous, and 10 bits of magnitude
information for transmission. The PCM Telemetry System utilizes many new integrated
circuit technologies and types. Specifically, the following integrated circuits are utilized:
1.
2.
3.
4.
5.

Metal Oxide Semiconductor (MOS)
Thin Film
Hybrid (thin film and semiconductor chips)
Polyisolated Compatible Linear Monolithic Semiconductor
Digital Monolithic Semiconductor

Figure 1. PCM Telemetry System Block Diagram
These technologies are interconnected to perform the PCM telemetry function. For
convenience of description, the PCM Telemetry System is divided into three sections:
Multiplexer, Amplifier, and ADC sections. These sections are mounted on one module
(Figure 2). Each of these sections utilizes different technologies.

Figure 2. PCM Telemetry Module
Multiplexer Section The multiplexer section (see Figure 1) of the PCM Telemetry
System multiplexes 32 single ended and 16 differential input channels. These channels
can accept either a ±5.11 volts or ±51.1 millivolts full-range analog voltage. One level of
multiplexing is used. The section consists of five identical MOS integrated circuits each
containing 300 MOS transistors of various transconductances. Four ICs are wired to
perform an analog multiplexer function; the 5th IC is used to provide sequencing or
selection of the other four ICs. Two of the four circuits are programmed for single ended
operation; the other two are programmed for differential operation. The multiplexer
section operates in either the sequential or random access address modes. During the
sequential mode, the end of digitization signal from the ADC provides a clock input to
the analog switching MOS ICs. A counter within the MOS IC sequentially step the
channels. An end-of-scan signal from the active MOS is sent to the 5th or sequencer
MOS IC for addressing the next multiplexer IC. This sequence continues repeatedly
through all channels and ICs. During the random access mode of operation, a digital
address word controls the multiplexer channel selection. This word can address any
channel in any order for any length of time.
The MOS Multifunction IC is exclusively used in the multiplexer. MOS is an excellent
technology for low level, low offset, and micromin multiplexing. The MOS IC
incorporates static logic in contrast to dynamic logic that is implemented in many new
MOS ICs. Figure 3 is a block diagram of the MOS Multifunction IC. Figure 4 is a photo
enlargement of the IC. This IC has a capability of multiplexing 16 single ended, or 8
differential analog signals. The IC can switch analog signals to the maximum full range

Figure 3. MOS Integrated Circuit Block Diagram

Figure 4. MOS Integrated Circuit Photograph (Highly Magnified)

of +10 volts (with substrate at greater than +10 volts dc) to -5 volts. These ICs are also
able to switch accurately low level (microvolt) analog signals. The IC includes a 4-bit
binary ripple counter and the necessary decoding logic to decode all 16 counter states.
When the IC is addressed, each state activates one switch during the single-ended mode
while two switches are simultaneously closed during the differential mode. The
additional capability of randomly accessing any channel has been provided within the
IC.
A 17th analog switch is provided as a reference for single ended operation. The binaries
can be used as a module 16-binary ripple counter or as a copy register. The outputs of
these binaries are also available. Provisions included in the MOS are: (1) an address
command which must be in the true state for any switch to be operated, (2) an end of
scan output, (3) a clear command input, (4) a read command input, and (5) a clock input.
The MOS IC uses typically, -25 volts, -14 volts, and +7 volts. The power dissipation is
less than 200 millwatts per IC. The analog switch has a typical “ON” resistance at +10
volts of 2 50 ohms, and an “ON” resistance of approximately 1.4K at -5 volts. The
switches can operate up to at least 250 Kilohertz. However, the counter has been
operated successfully above 1 Megahertz.
Within the Telemetry module, the MOS IC is used in three applications: (1) as a random
access analog multiplexer of 16-single ended and 8-differential channels, (2) as a
sequential analog commutator of 16-single ended and 8-differential channels, and (3) as
a digital programmer.
One IC selects one of four multiplexer ICs in sequence or by random access. In addition
to these three uses of the MOS IC in a PCM system, this IC can be used as:
1.
2.
3.
4.
5.
6.
7.

A counter to count up to any number up to 16
A 4-bit binary decoder
An analog function generator
A parallel to serial converter of 16 bits
A 16-bit code generator
A 4-bit storage register
A universal logic building block

The analog function generator application has been demonstrated in the laboratory by
applying different voltages on the various input lines. The smoothness of the function
can be increased by the series addition of several of these MOS ICs. Two functions can
be simultaneously generated by use of the differential command at a sacrifice of the
resolution available from one IC.

The counter application has also been demonstrated in the laboratory. This application is
performed by selecting the output of a particular switch and feeding it back to the clear
input of the binary counter. Thus, when the switch output goes logically true the counter
is cleared at the selected count.
This IC can be used as a universal logic building block since any minterm of the four
storage elements may be mechanized. Thus, 216 functions may be derived. These
minterms are formed by connecting the MOS switch outputs external to the IC.
Amplifier Section The amplifier section consists of a differential amplifier and a
sample of hold amplifier. These amplifiers are mechanized using hybrid integrated
circuit technologies. The transistor, diode, and capacitor chips are mounted on an
alumina substrate and ultrasonically bonded to gold interconnection leads. Deposited
nichrome resistors are used. This technology was used for the amplifier section to
achieve high performance. Other advantages of this technology are:
1.
2.
3.
4.
5.
6.

Low-cost prototype development
Short development schedule
Small size relative to discrete circuitry
High reliability through minimization of solder interconnections
Dynamic trim capability which eliminates potentiometers
Use of nichrome resistors for resistance ratio tracking and temperature coefficient
tracking

The differential amplifier (Figure 5) is used for up to 120 db common mode noise
rejection and amplification of 100 for low-level analog levels. In addition, the amplifier
provides a 100 megohm input impedance. Open loop differential voltage gain is 25,000
and the common mode voltage range is +15 volts to -10 volts. The equivalent input
offset voltage is 0.1 millivolt total, and the temperature coefficient is 5.0 microvolts per
degree centigrade.
The sample and hold amplifier is similar in design to the differential amplifier and is
used for operation at the design frequency of the PCM system to hold varying analog
input signals during the digitization time. The sample period is 20 microseconds and the
hold period is 44 microseconds. Both the differential amplifier and the sample hold
amplifier uses a 3/4 X 1-1/2-inch die and are mounted in a 30 lead (with 100 mil
spacing) 1 X 2-inch metal package.
Analog-To-Digital Converter Section A 10-bit current summation successive
approximation Analog-To-Digital Converter (ADC) is used in the PCM System. The
system accuracy using the ADC is within ±0.1%, ±1/2 least significant bit. The converter
linear circuits utilizes the poly-isolated compatible monolithic semiconductor technology

Figure 5. Differential Amplifier Photograph
to reduce parasitic capacitance and achieve high operating speeds. Two d-c amplifiers,
one threshold switch, 5-ladder switch, and two thinfilm ladder ICs make up the analog
portion of the converter. The digital portion of the converter is implemented using 24digital transistor-transistor logic (TTL) ICs. These ICs are low cost, and readily
available. The convertor uses one monostable multivibrator.
The ADC design is unique in two ways. First, the 10-bit ladder is divided into two
identical 5-bit ladder thin-film ICs. Thin-film technology is used to obtain resistance
ratio and temperature coefficient tracking during temperature changes. A resistance
divider within the IC is used to divide down the reference voltage of the most significant
5 bits by 32 (the decimal magnitude of 5 bits). Using this as a reference, which is
buffered, for the reference voltage onthe least significant 5 bits, results in a simpler and
easier method to fabricate an IC ladder and provides better ADC performance. Since
current summation ADCs use ladder legs that increase in resistance binarily from most to
least significant bits, this design keeps the RC time constant sufficiently low to ensure an
ADC of desired speed. The ADC has performed satisfactorily up to 1 Megahertz, but is
operated in this PCM System at a 250 Kilohertz bit clock frequency.
The second unique design is the ladder current switching. The ladder legs are switched
out of the current summation mode by a doubled shunting technique which reduces the
offset voltage (or current) to a lower valve than that used in a single switch.
The d-c amplifier circuits are unique, containing a 60 X 75 mil silicon chip placed on an
alumina chip containing the summing, feedback, and offset compensation thin-film

resistors. MOS compatible capacitors on silicon wafer are used for frequency
compensation.
The amplifiers have the following specifications:
Imput Power:
200 milliwatts
D-C Input Bias Current:
600 nanoamps
Input Differential Offset Voltage:
1 millivolt
Output Common Mode Voltage:
±1 volt
Maximum Output Signal Swing:
±7 volts
Open-Loop Difference Voltage Gain: = 15,000 volts per volt
Frequency Cutoff:
1 Kilohertz
Common Mode Voltage Gain = 0. 5 volt per volt
Common Mode Input Limits:
±5 volts
Power Supply Requirements:
E + = 14 volts, E - = -14 volts
Package:
18 lead 1/2" X 1/2" flat pack
The threshold switch IC uses a 60 X 52 mil silicon chip and has the following
specifications:
Input Threshold Voltage:
Propogation Delay Time:
Input Common Mode Voltage Limits:
Output Voltage Levels:
Input Power:
Voltage Gain:
Input D-C Offset Voltage:
Package:

±0. 5 millivolt
40 nanoseconds
±5 volts
Standard digital 0 to 3.5 volts
260 millivolts
2000 volts per volt
±0. 5 millivolt
1/4" X 1/4" Flat Pack

The thin-film ladder IC uses a 270 X 320 mil nichrome deposited alumina chip. Resistive
ratios are trimmed to ±0.02 percent. The temperature coefficient is +20 ppm per degree
centigrade. A 26 lead 1/2" X 1/2" flat pack is used to house the chip. Included within the
chip is the reference divider and two equal resistors as source and feedback (gain of 1)
resistors for the first d-c amplifier.
Two ladder switches are included in each IC package. A 50 X 55 mil silicon chip is used.
The ladder switch IC has the following specifications:
Input Power:
Turn-on Propogation Delay:
Turn-off Propogation Delay:
Output Saturation Voltage:

23.5 millivolts
30 nanoseconds
60 nanoseconds
2 millivolts

Output Leakage Current:
Package:

5 nanoamps
1/4: X 1/4" flat pack

Conclusion The telemetry system has been successful in showing the feasibility,
practicality, and desirability of an all-integrated circuit PCM System consisting of both
analog and digital circuitry. The PCM System can be operated by plugging it into an
attache case containing controls and displays for demonstration (Figures 6 and 7).
Although quantitative information is not available, the exclusive use of ICs should prove
to be more reliable and less costly than existing systems.
After completion of any development project, there are many ideas on how the system
may be improved. This project was no exception. An even smaller PCM System can be
composed simply by slight redesigns in the logic. The MOS Multifunction IC could be
used to eliminate 12 digital ICs associated with the bit counter and decoding gates. The
elimination of one d-c amplifier is feasible. Other designs requiring new MOS ICs are
centered about using 2 or 3 ICs only for the complete ADC.

Figure 6. PCM Telemetry Demonstrator

Figure 7. PCM Telemetry Demonstrator Control Panel

A FAMILY OF LINEAR INTEGRATED CIRCUITS FOR
TELEMETRY
M. B. RUDIN and R. L. O’DAY
Fairchild Semiconductor
Palo Alto, California

Summary Advances in monolithic circuit and process techniques are making available
a steadily increasing number of linear integrated circuits especially applicable to
telemetry systems. This paper reviews the principal types of telemetry systems--PCM,
PAM, PDM, and FM/FM. It demonstrates that a compatible family of monolithic IC’s in
various stages of development at Fairchild can perform most of the circuit functions
required by these systems--namely: (1) signal conditioning amplifiers, (2) multiplexer,
(3) sample and hold, (4) unity gain A/D buffer amplifier, (5) A/D and PDM comparator,
(6) D/A reference and switches, (7) D/A summing amplifier. In addition, future
integration of functions not performed by the above circuits is discussed.
Introduction The coarse performance parameter tolerances of early integrated circuits
precluded their effective use for linear functions, especially in telemetry systems where
signal fidelity is paramount. In recent years, linear integrated circuits (LIC’s) suitable for
uses in many systems have co-me on the market, but they have not in general been fully
satisfactory for many telemetry applications. However, this has not been because of an
inherent limitation of IC’s. New producible LIC technologies and compatible circuit
techniques have been needed to capitalize on the built-in matching of IC elements, and to
solve or circumvent the well-known IC limitations with respect to variety of compatible
elements.
It is the purpose of this paper to introduce and describe a family of LIC’s under various
stages of development at Fairchild which are expected to finally overcome the significant
obstacles to the use of IC’s in the more voluminous applications in telemetry systems,
and to indicate the directions which future developments are likely to take in attempting
to satisfy the needs of the telemetry industry. The advanced performance of these circuits
is the result of new semiconductor and thin film technologies in conjunction with circuit
techniques tailored to the peculiarities of these technologies.

This paper is organized as follows:
1.
2.
3.
4.

Telemetry Requirements on Circuits.
The New Family of Monolithic IC’s for Telemetry.
Future LIC’s for Telemetry.
Conclusion.

Telemetry Requirements on Circuits It is a common fact that the principal baseband
signal multiplexing techniques used in telemetry today are, in descending order of
popularity: PCM, FM subcarriers, PAM, and PDM, with PCM becoming more dominant
with each passing year. From the standpoint of the semiconductor IC manufacturer
seeking those linear or hybrid functions presenting the largest potential market, the
above four system configurations were dissected into blocks potentially suitable for
monolithic integration. The result is shown in Figure 1–1(a) the remote data acquisition
multiplexing and transmitting system, 1(b) the receiving, demultiplexing, recording, and
display system.
Figure 1 clearly illustrates two important conclusions on which functions are most
attractive for monolithic integration from the standpoint of volume usage. First, it
illustrates the varying degrees of commonality between the multiplexing schemes. The
inputs and outputs have completely common functions--i.e., signal conditioners and
displays. A time division multiplexer and demultiplexer is common to the three time
division systems. A precision comparator is needed for both P CM and PDM encoders.
Second, those functions closer to the input and outout are more numerous because they
are not multiplexed.
Other important considerations, from the, standpoint of the IC manufacturer, are (1) the
greater number of systems and the higher value of miniaturization and maintenance-free
reliability normally associated with the remote acquisition system, and (2) the greater
difficulty and expense in building higher frequency and/or higher power IC’s.
For the foregoing reasons, the signal conditioners are inherently the premium targets for
integration, the multiplexer and VCO’s are next, and the PCM and FM/FM decoding
blocks (D/A and FM discriminators) are close behind. Other linear Functions are not
initially as interesting for integration, with one possible exception. This is the precision
encoder comparator, which -may be used as (1) a multiplexer gate in an interesting new
form of PCM or PDM system 1/ , or (2) in a local encoder serving individual transducers
or small channel groups. Both of these applications are part of a new system trend
toward increased paralleling of lower cost miniature hardware in exchange for reduced
cabling and better reliability.

The primary requirements for each of the blocks identified by asterisk (*) in Figure 1-i.e., those functions targeted for LIC development--were estimated. These requirements
are tabulated in Figures 2-5; the basis for them is discussed in the following paragraphs.
Signal Conditioning
Signal conditioning has been divided into the “Preamplifier” or front end section
emphasizing total input offset and noise minimization, and the signal processing section
emphasizing frequency and amplitude transformations. The requirements for these
blocks can range as broadly as the vast variety of transducers whose outputs may feed
the signal conditioner. This would seem to demand a variety of circuits; but the desires
of both the LIC manufacturer and the user to standardize for production and logistics
reasons makes the operational amplifier a logical choice for the basic active element
building block for signal conditioners. With this approach the different functions can be
realized by use of various feedback networks, and just two amplifiers at most need be
considered by the semiconductor LIC manufacturer: (1) a low level front end op amp, (2)
a simpler, high level signal processing amplifier. For the above reasons, the circuit
requirements of signal conditioning in Figure 2 have been written in the format of op
amp (operational amplifier)specifications.
It may be noted that the preamplifier has a great number of critical parameters because it
interfaces with the external world--the transducers and input lines--and therefore must be
prepared to handle a range of signal levels, bandwidths and, most important, large
spurious common mode voltages. The values given in Figure 2 were estimated on the
basis of the following assumptions: (1) permissible system error contributed by each
block--±.05% FS for 5 v signals and ±.3% for 5 mv signals; (2) input voltage range--± 5
mv FS to ± 5 v FS; (3) input source resistance- - 5 kS maximum; (4) common mode
voltage range permitting satisfactory operation--± 10 v; (5) maximum common mode
range (permitting circuit survival)--± 20 v; (6) maximum bandwidth based on 2 kc
maximum transient or vibration signals; (7) load impedance–1 MS minimum; (8)
power–1 watt maximum for 100 preamps. It should be noted that the gain accuracy can
be ±50% if its nominal value is 106 --i.e., gain stability is a function of the loop gain,
decreasing inversely with the latter. Also, for brevity V and I offsets are given as totals,
including initial offset, noise, and thermal drift.
The use of an op amp for low level instrumentation signals presents one unorthodox
problem--difficulty of getting high input impedance with differential inputs. This is
because of gain control feedback current. For single ended input, this problem can be
avoided by use of a noninverting input and feedback to the inverting input. However,
this sacrifices the common mode pickup bucking properties of the differential input. One
answer is that many of the low level sources, e.g., thermocouples and photodiodes, do

not require high impedance input. Thus the requirements on input impedance in Figure 2
have been split into three cases, the first two of which can be satisfied by a low level op
amp: (1) low level grounded input, (2) low level differential input from low (< 100S)
source resistance, and (3) low level differential input from high source resistance.
Another circuit function, common to signal conditioners, is low power transducer supply
regulators and references. It can be shown that general purpose op amps in the Fairchild
FA709 class are very useful as current sources and DC voltage transformers using a
zener or external voltage reference. This usage is not sufficiently standardized to specify
for present purposes.
The processor requirement is relatively uncritical, since it handles full scale signal levels.
This permits relaxation of the specs for offset, input impedance, gain, and common mode
rejection ratio.
Multiplexing
Multiplexing has been divided into (1) time-division (TD) gates or switches for the TD
systems, (2) VCO’s for frequency division*, (3) TD common high level buffer amplifier,
(4) TD common low level booster/buffer amplifier. Although Figure I shows a single
common amplifier, these amplifiers are important because actual systems often employ
as many as (N/8) amplifiers (where N is total channels) for buffering purposes.
Digital control is similar for all time division systems; therefore, it is important only in
setting interface logic levels. Because MOS-FET’s are good analog switches, and permit
good logic packing densities, their logic levels--typically of the order 0 and -10 volts-tend to be preferable for the analog multiplexer. But the additional power supply levels
they entail may be a system drawback. This problem and possible solutions are discussed
later in the section on the Fairchild developmental 16 channel differential multiplexer.
Four principal parameters for the multiplexer are given in Figure 3. The assumptions
leading to the values given are: (1) permissible Ron errors, ±.1% PAM, ±.025% PDM
and PCM; (2) maximum system sampling rate, 100K samples/sec PAM, 1K samples/sec
PDM, 50 to 100K samples/sec PCM; (3) permissible Ileakage error, ±.02% high level, ±.5%
low level; (4) common mode range the same as that for the signal conditioner preamp-±10 v--due to lead pickup (this assumes no buffer at the multiplexer input); (5) one layer
of submultiplexer cascading to achieve capacitive and leakage isolation. The permissible
accuracies are based on the higher overall accuracies achievable with PCM and PDM,
over PAM--typically ±.1%, .5%, and 1.0% respectively.
*

The popular, proportional FM/FM or the later constant bandwidth FM subcarriers are assumed.
AM subcarriers not considered of sufficient interest.

The common high level buffer requirements are self evident, with the possible exception
of the bandwidth, which should be about six times the sample rate for acceptable pulsetail crosstalk. The common low level buffer requires input characteristics similar to the
signal conditioner preamp, coupled with a wider bandwidth to accommodate the
multiplexer sample rate. This demands much more power. About 150 to 300 mw was
estimated, depending on the amplifier design.
The VCO requirements have been included (Figure 4) just for completeness, since they
have a number of peculiar characteristics which militate against a high degree of
standardized monolithic integration within the present state of low cost production
technology. Sonle of these are: (1) frequency stability implying very stable RC products
versus temperature in frequency determining networks; (2) linear frequency deviation
over 7.5%, implying 0.5% linear variation of RC products within this tolerance; (3) a
wide variety of center frequency and bandwidth. All of these features may be obtained
by the use of IC op amps as the active elements in conjunction with passive selective
feedback networks, and at most one voltage variable element. However, no translation of
VCO requirements into op amp specifications has been attempted as yet.
Encoding and Decoding
The major linear circuit blocks within the encoding and decoding categories are: (1) D/A
for PCM, (2) precision comparator for PCM and PDM, (3) sample-and-hold for PCM
and PDM, (4) summing (buffer) amplifier for display D/A, and (5) the FM discriminators
for FM/FM.
The salient parameters for the Digital-to-Analog Converter are speed, accuracy, logic
level in, and analog level out. The vehicle-borne encoders commonly require speeds
approaching 500 kbits/sec, and new systems may go higher. The local A/D’s and the
display readouts usually need much lower speeds--typically 2 kbits/sec to 20 kbits/sec.
Overall PCM system accuracy of 8 to 10 bits ± 1/2 bit maximum, governed the D/A
requirement. Logic level depends on whether MOS or bipolar digital circuits are used.
Bipolar was assumed because it can more easily handle 1 Mbit/ sec. The more important
requirements on the D/A buffer are the input offsets and the output current. These were
specified in Figure 5 on the assumption that 8 bits ± 1/2 bit is sufficient accuracy for
compatibility with most display subsystems and devices.
For the Precision Comparator, speed permitting A/D conversion at 1 Fsec per bit,
coupled with input offset low enough to permit encoding to .05% accuracy, are the basis
for the PCM requirements of Figure 5. The PDM accuracy requirements depend on both
the switching speed and the threshold accuracy; however, assuming .1% error from each
source, and 1 msec FS for PDM, the PCM comparator is able to do the PDM encoder
comparisons also.

For data frequencies over about 20 Hz, a Sample-and-Hold is needed in a 10 bit
(1 Mbit/sec) PCM system 2/. The sampling aperture, or charging cycle of the sampleand-hold, was assumed to be 1 Fsec, and the switching time uncertainty, 100 nsec,
giving a time constant of less than .15 Fsec. This determines the required output current
of the sampleand-hold input amplifier, assuming a 200 pf storage capacitor, to be about
10 ma. The output amplifier requires an input impedance for these assumptions of
100 MS, and offset stability of ±2.5 mv, with both input and output amplifiers having
unity gains precise to ±.05% (or their gain products).
The sample-and-hold for PAM and PDM display driving can use larger storage
capacitors with the same in-out amplifiers as for the PCM encoder, because their
accuracies are lower, and they have greater available charging time. However, their
output current may require an additional buffer.
The input requirements on the D/A Summing Amplifier are similar to those for the
processing amplifier in the signal conditioner. Its output requires greater current capacity
to drive some displays without additional buffering.
FM Discriminators have standard FM/FM proportional and constant bandwidth specs,
and can potentially use building blocks similar to those hypothesized for the subcarrier
VCO’s, i e., a nonlinear VCO phase-locked by a frequency discriminator composed of op
amps and RC’s. Thus far we have not attempted to postulate individual amplifier and
VCO specs for such a scheme.
The New Family of Monolithic IC’s for Telemetry Monolithic linear integrated
circuits have been improving rapidly during the past two years, but still have required
significant performance compromises which have prohibited their use in a number of
important applications. Recent advances in MOS and bipolar semiconductor and thin
film technologies in conjunction with new circuit techniques have reduced or eliminated
several of the important deficiencies restricting LIC designers in the past, namely: (a)
noise, (b) low gain transistors (with low input impedances), (c) low resistance values, (d)
leaky capacitors. The new technologies are permitting development of a family of new
circuits applicable to telemetry systems:
(1)
(2)
(3)
(4)
(5)
(6)
(7)

Micropower High Impedance, Low Noise Operational Amplifier,
Low Drift, High Impedance, Low Noise Instrumentation Operational Amplifier,
Low Noise, High Impedance, High Slew Rate Operational Amplifier,
Junction FET Input Operational Amplifier,
16 Channel Differential Multiplexer,
10 Bit D/A Reference and Current Switches,
Precision Comparator.

Performance and design considerations on several of these circuits are being reported
separately at ITC/USA ’67**. It is our intention here to summarize the applicability of
these various LIC’s to the telemetry requirements described and tabulated in the
preceding section.
Micropower Operational Amplifier
This amplifier is truly micropower, yet it compares with conventional instrumentation
amplifiers. Its outstanding characteristics are: (1) 0.1 mw total power drain unloaded
(max); (2) input impedance typically 5 MS, (3) over 100 db common mode rejection, (4)
over 10 kHz bandwidth, (5) less than 10 Fv noise. Additional information is given in
Reference 3.
Comparing its performance with the signal conditioner amplifier requirements, it may be
seen that it will certainly serve the signal filtering and processing function. Also, its
CMR is close to the preamp requirement of 120 db CMR, and it has low noise. Because
it uses adjustable thin film resistors, a later version will be adjusted to less than 0. I mv
input offset.
In systems where large numbers of preamps are desirable, and power is at a premium, the
front end performance of this amplifier should be acceptable with external resistance
balancing of offset when necessary. One hundred of these amplifiers will take just
10 mw to 50 mw of power, depending on output drive requirements!
Instrumentation Operational Amplifier
This amplifier was designed expressly for low level instrumentation. However, the main
performance advantage it has over the Micropower Amplifier is bandwidth and slewing
rate, which permit it to perform the common multiplexer amplifier function (see Figure
1) in addition to the signal conditioner functions. With its offset adjusted to zero by an
external resistor, it has drift performance of 1 Fv/EC--close to that of chopper amplifiers.
An additional and very important advantage of this amplifier is economic: it achieves
high input impedance and low input bias and offset currents by virtue of using a new
high beta, low noise, all diffused (high yield) process. Minimum beta of its NPN
transistors is 500! A summary of its outstanding characteristics, which compare
favorably in many respects with the best discrete component amplifiers, follows: (1)
Input Offset Current, 10 na; (2) Input Impedance, 1 MS; (3) Common Mode Range with
±15 v supply, ±13 v; (4) Input Current Noise, .1 to .2 pa per root Hz; (5) Slewing Rate
with Gain $ 100, 20 v/Fsec; (6) Short Circuit Protection of both input and output; (7)
Common Mode Rejection, 120 db; (8) Wideband Noise, 8 nv per root Hz.
**

See References 3 through 7.

As a post-multiplexer common buffer amplifier, it can handle PAM pulse rates up to
about 150 to 300K samples/sec, as its open loop unity gain crossover is 9 MHz. A more
detailed description of the amplifier is given in Reference 4.
High Slew Rate Amplifier
For applications where high slew rate is more important than maximum CMR, a second
amplifier is in development. It will slew at 20 v/Fsec with unity gain, thus qualifying as
the input member of a telemetry Sample-and-Hold. Its significant differences with the
Instrumentation Amplifier are:
(1)
(2)

Higher slewing rate and higher unity gain bandwidth,
Input offset current null, as well as input offset voltage null, by means of external
potentiometer.

In most other respects the amplifier characteristics are similar to those of the FA709.
Noise, drift, and other input characteristics are not presently as good as the
instrumentation amplifier.
Hi Zin Operational Amplifier
The combination of a junction FET (J-FET) input with bipolar transistor following
stages is necessary to combine very high input impedance with good output drive
characteristics required by (1) the Sample-and-Hold output buffer, (2) some high
impedance transducers, and (3) monolithic thin film (low C’s) signal conditioning filters.
However, such an amplifier has two major design problems: (1) J-FET’s are generally
more difficult to drift-stabilize, and (2) a monolithic process for simultaneously
constructing high performance J-FET’s and NPN’s is difficult and expensive with
present state-of-the-art. Studies and developments are in progress at Fairchild to solve
these two problems, but at time of writing no data can be given. It is hoped that some
comments on feasibility can be given at the time of presentation.
To satisfy the system requirements for the sample-and-hold, the Hi Zin Amplifier will
require 100 MS input impedance, .1 na leakage, less than 5 mv offset drift over full
temperature range, and 20 to 30 v/Fsec unity gain slewing rate. Similar offset
requirements are posed by the signal conditioning preamp. The Hi Zin Amplifier should
be ideal for AC filtering, where DC stability is not required.

16 Channel Differential Multiplexer
This is the largest single-chip MOS multiplexer reported to date (110 x 110 mils). It has
16 pairs of DPDT switches, which are activated by a random access decoding matrix of
MOS transistors on the chip, minimizing external connections. In addition, it
incorporates some protection against spurious channel overvoltages. Its switching speed
is just fast enough to meet the 50 to 100K samples/ sec requirement of Figure 3. It was
designed primarily for high level signals, but can handle low level channels whose
source impedances do not exceed 50 ohms. It is bilateral, and is, therefore, equally useful
as a demultiplexer for PAM or PDM, or as a function generator. Its important
characteristics are as follows(1) Ron, 400 ohms @ +5 v channel voltage to 1000 ohms @
-5 v channel voltage; (2) Ron channel-channel variation ()Ron), 5 to 15 ohms; (3)
switching speed < 10 Fsec; supply voltages, +10, -20, -35 (zero power). More detailed
information on its characteristics is given in Reference 5.
The two most important characteristics, from the standpoint of system compatibility, are
the variation of Ron with channel voltage, and the use of logic and supply voltages
differing from those of most bipolar IC’s. The Ron variation is not a problem if a high Zin
common amplifier is used, and its effect is reduced greatly if the signal range is restricted
to 0 to +5 v. Unfortunately, this effect on Ron of channel voltage places a substantial
limitation on common mode range. It is of the order ±2.5 v, depending on supply and
logic tolerances and system error budget.
The question of logic and power supply compatibility hinges on whether bipolar or MOS
logic is used for the system. Normally MOS logic is fast enough for telemetry. However,
even with MOS logic in the system, the high negative voltages used in a P-channel
multiplexer in order to achieve low switch resistance (Ron) and compact MOS-FET
pullup resistors generally will require special supplies. In this respect it should be noted
that many of the linear integrated circuit amplifiers are capable of operating with
unbalanced supplies, so zener dropping diodes may be used to drive the LIC’s from a
+10 v, -20 v supply. The -35 v supply is for logic resistor gate bias and requires
practically zero power and minimal filtering.
10 Bit D/A
This circuit is the furthest advanced of the new family, and offers a simple, economical
approach to D/A and A/D design over typical remote telemetry temperature ranges. In
conjunction with external, weighting resistors and existing IC summing amplifiers (D/A)
or the High Slew Rate Amplifier (A/D), it is capable of completely meeting the system
requirements outlined in Figure 5, over a 100EC temperature range, and will operate over
the full -55EC to 125EC military range. The process by which it is built is compatible
with the addition of a thin film resistor process, and weighting resistors will be added

when economics permit. An important advantage which this circuit enjoys, even while
operating at 1 Mbit, is its practically complete freedom from external transients and
pickup, because of the use of a built-in reference current mode switching and current
summing. Also, because of its small size and low thermal coefficient of error, it can be
used to encode to as high as 13 to 15 bits by placing it in a small circuit board oven.
The most important characteristics of this circuit are: (1) it contains a reference and ten
current sources which can be weighted binarily or as desired by precision external
resistors; (2) once set at Tnominal, the sources plus reference track within the initial setting
to . 2% over 100EC; (3) switching speed < 1 Fsec; (4) it can be driven by all common IC
logic levels, except MOS. For the latter, a ± inverter is necessary, and such P-channel
MOS/bipolar inverters will, no doubt, become common as MOS use progresses.
Additional characteristics and application concepts are given in Reference 6.
Precision Comparator
The new high beta, low noise monolithic process makes it possible to achieve the high
input impedance and low offset required for 10 bit telemetry A/D comparison; and the
use of careful circuit design permits the necessary switching speed without gold doping
(as is used in memory sense amplifiers). It is clear from the requirements, that a
comparator satisfying the 1 Mbit A/D encoding application can inherently serve as a
PDM (or a ramp A/D) comparator as well. Because it is built with a relatively noncritical, all diffused process, this comparator is expected ultimately to have an economic
advantage over other solutions. Its salient characteristics over the full military
temperature range are: (1) with offset voltage trimmed to zero by an external resistor,
Voffset temperature coefficient < 5 Fv/EC; (2) offset current, 25 na plus 1.6 na/EC; (3) Rin,
> 200 kS ; (4) Cin, < 10 pf; (5) switching speed with 1 mv overdrive, 300 nsec.
A description of the circuit and more complete parameters are given in Reference 7.
Future LIC’s for Telemetry The circuits described in the preceding section are those
whose development is most advanced at the authors’ firm. Other economical telemetry
LIC’s which can be expected from present development efforts, in years to come, are:
1.
2.
3.
4.

High Performance Differential-in/Differential-out Instrumentation and Light Servo
Amplifiers for balanced loads.
Precision Film Resistor Arrays and Ladders for A/D’s and D/A’s.
Ultrastable Preamps by thermal control of the die, or use of monolithic chopping
circuits.
Micropower versions of other Low-Frequency Telemetry Circuits.

5.
6.

Monolithic Active Filters for signal conditioners, and FM/FM VCO’s and
Discriminators.
IF Amplifier Blocks using both bipolar and MOS elements.

Conclusion Linear monolithic integrated circuits comparable in performance to
present custom discrete circuits will soon become available to simplify the design and
construction of the most popular telemetry systems, PCM/ FM/FM, PAM, and PDM.
These can not only reduce the parts count and hardware costs of such systems, but can
significantly reduce design time and effort because of their mutual compatibility with the
majority of telemetry requirements. Gradually, as more LIC’s reach production status,
not only the most frequently used functions such as signal conditioning, multiplexing,
and D/A conversion will be integrated, but all other remote, or vehicle-borne circuits will
be integrated to capitalize on the inherent miniaturization, economy, and reliability of
IC’S.
Initially, feasibility of the following linear monolithic integrated telemetry circuits is
being demonstrated at Fairchild Semiconductor R & D Labs:
1.
2.
3.
4.
5.
6.
7.

Micropower Operational Amplifier,
Low Level Instrumentation Operational Amplifier,
High Slew Rate Operational Amplifier,
Junction FET Input Operational Amplifier,
16 Channel Differential Multiplexer,
10 Bit D/A Reference and Current Switches,
Precision Comparator.
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A MICROPOWER LOW NOISE INTEGRATED
OPERATIONAL AMPLIFIER
D. J. PILLING and G. H. WILSON
Fairchild Semiconductor
Palo Alto, California

Summary This paper describes a new integrated operational amplifier designed
specifically for low standby power consumption. This amplifier is intended for use in
portable instrument and telemetry equipment where low battery power drain is an
important consideration.
This high gain, low power, low noise operational amplifier is fabricated on a single
silicon chip. Recent development of a low noise transistor process and a compatible high
value resistor process led to its development. The highlights of its performance
specifications are its high input impedance, low offset, low noise, and, for the first time
in a commercially available operational amplifier, quiescent power consumption in the
microwatt range. The circuit has excellent common mode and power supply rejection
which, coupled with the high voltage process, insure operation over a supply voltage
range of ±2.7 v to ±18 v.
The amplifier, as shown in Figure 1, has a differential input and a single ended output.
The general parameters of this amplifier are shown in Table 1.
Description of the Circuit The circuit schematic is shown in Figure 2. The input stage
consists of an npn differential pair biased from a temperature compensating current
source (transistors Q2A and Q2B1/). The absence of emitter degeneration in the input pair
guarantees minimum noise and initial offset voltage at the amplifier input. Input offsetvoltage can be adjusted to zero without degradation of performance if a resistor network
is added externally at the compensation terminals. The second stage is a composite-pnp
differential stage which level-shifts while providing additional gain. The gm of this stage
in stabilized by the 10 kS emitter-to-emitter resistor.
Full differential gain of the pnp differential stage is retained by the differential to single
ended conversion stage Q5A and Q5B. Refer to Figure 3.
A differential signal is applied to the base of Q4A and Q4B . The positive signal on Q4A
reduces the current through Q5A which in turn reduces the voltage at the base of Q5B and

increases the voltage at the collector of Q5B . The negative signal on the base of Q4B
increases the voltage at the collector of Q4B. The net result is that the signals at the
collectors of Q4B and Q5B add, giving the full differential gain of this stage.
The Output Stage There are three important considerations for the design of an output
stage of a low power operational amplifier. These are: minimum quiescent power drain,
low output impedance, and maximum output swing. Three basic configurations were
evaluated for this circuit. These are shown in Figure 4.
The common emitter configuration delivers the largest output swing for a given supply
voltage. It can be seen from Figure 4a that the peak output voltage is the supply voltage
less one collector to emitter saturation voltage. This stage can operate at very low supply
voltage but suffers from high output impedance. Associated with this is high crossover
distortion. This distortion can be seen in Figure 5 for various load conditions on a pushpull common emitter stage with considerable negative feedback to lower the output
impedance. Also in this figure, a maximum swing of ±2.8 volts can be delivered from a
±3 volt supply.
The diode coupled output stage, as shown in Figure 4b, also suffers from crossover
distortion. This distortion results when the quiescent current is held to zero by
introducing a dead band of one diode drop.
The common collector output stage, Figure 4c, compromises output swing for a greatly
reduced output impedance. For this configuration, the peak output swing is one VBE drop
from the supply voltage. This configuration can be operated as a class AB stage in order
to minimize the quiescent power drain. Minimum distortion is achieved by using diodes
D1 and D2 to compensate the dead zone introduced by the output transistor VBE diode
drops. The measured output impedance for our circuit is 15 S. The crossover distortion
at various frequencies is shown in Figure 6.
Frequency Response The open loop frequency response is shown in Figure 7 for
±3 volt and ±15 volt supplies. The increase in gain can be attributed to the increase in gm
of the input stage with collector current, since voltage gain is

The increase in bandwidth with increased power supply voltage can be attributed to the
increase in fT of the individual transistors as their bias currents increase.

Circuit Components.
Resistors One of the limitations of integrated circuit design is that the maximum size
diffused resistor is approximately 50 k S if the chip is to be of reasonable size.
A new thin film resistor technology was developed which increases this value to
5 M S2/. The requirements of this process were as follows.
1.
2.
3.
4.
5.

The resistors must not be degraded by the diffused planar surface nor in turn
degrade the diffused transistors.
Resistor pairs must match within 3%.
Resistors must be within ±15% of target value.
The resistor temperature coefficient must be ~ -700 ppm/EC.
The resistors must be stable with less than 0.5% drift for 2000 hours at 200EC.

Transistors The requirements of the transistors used in this integrated circuit were:
1.
2.

Minimum beta falloff at low currents.
Reduction of transistor noise.

From the circuit schematic, it can be seen that several of the transistors operate at
approximately 1 Fa. From Figure 8, it can be seen that if the standard process were used,
beta would be insufficient for use in the circuit.
The most troublesome form of noise in operational amplifiers is “popcorn noise”.
Figure 9 is a comparison of transistors with and without popcorn noise. Popcorn noise is
characterized by random, low frequency spikes as seen in Figure 9b. Process changes
have been made to eliminate this noise.
Summary In summary, recent process developments for a low noise high gain
transistor process compatible with high value resistors have led to the development of a
micropower operational amplifier. Table 2 summarizes the significant parameters of the
amplifier.
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A LOW NOISE LOW DRIFT MONOLITHIC INTEGRATED
OPERATIONAL AMPLIFIER
D. J. FULLAGAR
Fairchild Semiconductor
Palo Alto, California

Summary An operational amplifier is described which has been designed specifically
for applications where low noise and low drift are of primary importance. The factors
affecting noise and drift are discussed, and the methods used to minimize these outlined.
For low level signal amplification purposes the performance is shown to be superior to
currently available designs.
Introduction Monolithic operational amplifiers have been available for about three
years now; during this time more than fifty designs have become available from twenty
manufacturers. Nearly all of these amplifiers have been of the so-called “general
purpose” type; the manufacturer determines the specifications which he feels will satisfy
the largest number of customers. This approach inevitably results in compromise; input
characteristics are traded for bandwidth, common -mode range for common mode
rejection, etc. Clearly there is a need for amplifiers which have been optimized for a
particular field of application. A new amplifier has been designed specifically with the
needs of the low level signal processing market in mind. By careful circuit design and
layout, and new semiconductor process development, drift and noise have been reduced
to a level hitherto unobtainable in monolithic amplifiers. In addition, stabilization is
straightforward, and full short protection has been incorporated. The chip has been laid
out so that an eight-lead version of the amplifier will be a pin-for-pin replacement of the
FA709.
Design Considerations In designing an integrated circuit for low noise and low drift,
special consideration must be given to three factors: (a) circuit configuration, (b) chip
layout, and (c) the process.
(a) The circuit configuration used is standard operational amplifier practice, i.e., two
stages of emitter coupled (differential) pairs followed by a driver and output stage (See
Figure 1 attached). Special care has been taken to minimize drift and noise. A single
emitter coupled pair is used at the input instead of a Darlington, since only two devices
contribute to the error voltages instead of four (Figure 2).

The technique, used to achieve offset voltage null is also important, It has been shown1/
that temperature drift is minimized if offset voltage null is achieved by mismatch of
collector currents, to give equal VBE’s for T1 and T2. This method is used in the new
amplifier. It should also be noted that the presence of the offset null potentiometer does
not degrade the common mode/power supply rejection performance (Figure 3).
(b) The chip layout must be given due consideration if drift is to be minimized. A
temperature difference of 1EC between the two input devices will give 2.3 mv offset
voltage; such a temperature differential is not unlikely if the chip layout is careless. It is
important that the input devices are placed symmetrically with respect to the output (heat
dissipating) transistors. This is illustrated in Figure 4.
(c) To minimize noise, a new process has been developed. The 1/f noise of transistors
fabricated with this process shows an approximate 1OX improvement over a low noise
discrete transistor such as the 2N2484. This is illustrated by Figure 5. Only the
equivalent input current noise has been plotted, since the equivalent input voltage noise
shows practically no 1/f component on a silicon planar device.
Amplifier Performance Performance specifications are shown here compared with the
FA709, a typical “general purpose” amplifier.
It can be seen that the new amplifier improves on all the FA709 input parameters.
Furthermore, many of the features usually associated with the more expensive discrete
component amplifiers have been incorporated, while retaining the inherent advantages of
monolithic construction. Both the inputs and the output are short circuit proof (within the
limits of the supplies, i.e., ± 15 volts). The tight thermal coupling of the circuit elements
gives low drift and a high degree of immunity from thermal transients; this latter feature
is particularly important in military and space environments. The high common mode
rejection ratio, combined with the ± 13 volt common mode range, will enable low level
signals to be correctly processed in spite of large common mode noise voltages. The
amplifier is more tolerant of capacitive loads than the FA709, and it will not latch-up
when used as a voltage follower.
The noise performance of the amplifier is specified in Figure 6 in terms of equivalent
input voltage and current generators. Many manufacturers specify only a wideband
voltage noise figure; this zero source impedance measurement effectively masks the very
poor performance of most devices for higher values of source impedance.
Reliability should be of a high order. It has been estimated recently that the reliability of
a system designed around monolithic circuits will be an order of magnitude better than
an equivalent system using discrete components 2/.

Stabilization Amplifier stabilization can be achieved in two ways: the open loop
response can be rolled off at 6 db/octave through unity gain with a single .05 Ff
capacitor (Figure 7), this being the most straightforward method, or the capacitor value
can be optimized for the operating closed loop gain, this method giving maximum closed
loop bandwidth (Figure 8).
When stabilized by the first method (the most conservative), full sine wave output into a
2 kS load is available up to 10 kHz; the slewing rate in the unity gain voltage follower
configuration is about .5 volts/Fsec.
Conclusions The amplifier described has substantially improved “front end”
performance compared with earlier monolithic operational amplifiers. Indeed, it is
competitive with the best of the discrete amplifiers. The reduced noise and drift make It
particularly attractive for low level signal amplification.
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AN INTEGRATED 16-CHANNEL DIFFERENTIAL ANALOG
MULTIPLEXER
M. B. RUDIN, C. M. BOTCHEK and R. F. ROTUNDA
Fairchild Semiconductor
Palo Alto, California

Summary The salient characteristics of a multi-channel differential MOS analog
multiplexer are presented and compared with the requirements of time division telemetry
systems discussed in the paper, “A Family of Linear Integrated Circuits for Telemetry,”
by M. B. Rudin and R. L. O’Day. Particular emphasis is given to the more important
terminal parameters -- channel Ron variation, switching speed, channel leakage and
crosstalk, protection against spurious signals, and power supply requirements. It is
shown that this type of design is acceptable for both high and low level signals. The
MOS supply levels are special, and some speculation is presented on how future designs
could use supplies more compatible with bipolar needs.
Introduction Historically, differential multiplexer requirements have been
implemented with rotary commutators, reed relays, bipolar transistor switches and J-FET
switches. Obvious speed limitation of mechanical techniques-rotary commutators and
reed relays; lack of DC capability of Bright switches; and slow response of JunctionField Effect Transistor circuits have left an open door to the use of metal-oxidesilicon
transistor (MOST) gates. In addition, MOST’s have a major advantage in IC fabrication
efficiency1 in the speed range required by analog multiplexers. Functional features of a
developmental 16-channel differential MOS multiplexer are presented in this paper.
Technological Advantages of MOS Obvious advantages of IC technology such as
increased packing density, reduced size and weight, improved reliability and reduced
cost have been widely received. Inherent simultaneous processing and minute element
area of the IC technology improve component matching and thermal tracking.
MOS technology has several bonus features. First, unlike bipolar and J-FET structures, a
single non-critical diffusion is adequate for forming all circuit elements. This improves
yield and reduces cost. Second, the high packing density of. MOS circuits allow
decoding logic for analog channel selection to be included on the chip without severe
sacrifice in area and hence yield. Third, and most important for multiplexing, MOST Is
make excellent analog switches, with practically zero voltage offset, Zoff /Ron ratios of the

order 106, negligible control voltage feed through low spurious leakage, and good
switching speed.
Description of the Multiplexer The presently developed 16-channel differential MOS
multiplexer contains 32 analog channels selected in pairs by a four-input logic decoding
matrix. To drive the matrix the complemented and uncomplemented. states are applied to
each of the 16 four-input AND gates (one is illustrated in Figure 1) by encoding the
interconnection pattern so that each AND gate forms a different minterm of X1, X2, X3,
X4. To save entrance leads, and possibly external logic gates inverters are included on
the chip to form the input complements.
The analog voltages to be handled are ±5 V, the 0 to + 5 V range being the most
popular.2 Three power supply voltages, V-- = -35 V, = -20 V, and V+ = + 10 V are
referred to ground; i.e., the zero analog signal potential. The -35 V supply requires
negligible current and power, as it is applied only to the gates of the MOS pull-up
resistors.
To aid in further description of the circuit operation, Figure 2 illustrates two of the four
parallel MOST’s forming the ith AND gate in Figure 1, one of which is driven by the
complemented state. A logical “1” (+ 10 V) applied to the non-inverting MOST, Qi3
holds off the latter, and point “X”, the AND output line can approach -20 V (assuming
the other parallel MOST’s are off). This is a considerable overdrive from the
approximately -7 V necessary to turn on the analog switches, QiA and QiB This margin
decreases with decreased switching time. To permit QiA and QiB to be on, the inverting
input must be a logical “0” (0 V). This turns on O4, thus charging the gate of Q4 to +
10 V, and holding it off. If either of the above inputs were in the opposite logic state to
those given above, the line “X” would be connected to the + 10 V supply through either
Qi3 or Qi4. This would turn off QiA and QiB since they are held off by + 5 V on “IX”, and
one of the other 15 analog switch-pairs would be turned on.
The complete circuit is given in Figure 3A. Logic code for this schematic is shown in
Figure 3B. Physical layout of the completed die shown in Figure 4 corresponds to the
schematic of Figure 3A. This die is 110 x 110 mils, contains 42 bonding pads, and has
been assembled in packages with several different styles. Lead bonding for one type of
package is shown in Figure 5.
Performance of the Multiplexer Table 1 presents the principal performance
parameters of the multiplexer versus the typical requirements of telemetry systems
described in a previous ITC/USA ’67 paper. For telemetry signals in the range of 0 to +
5 V, or low level signal close to 0 V, the variation of Ron with channel voltage is well
within system requirements. The unit-to-unit variation (from processing variations)
ranges from ±50 ohms to ±125 ohms and is not an accuracy problem. Higher voltage

variations from common mode potentials can be a problem. The typical ±1 0 V CMR
spec is prohibitive, but about + 9 V and - 7 V are tolerable. This is discussed further later
in connection with spurious channel-over-voltages.
Switching speed does not quite meet the desirable value, 5 Fsec, but is within the
adequate figure--10 Fsec. The turn-off time is inconsequential, since the next channel is
in turn-on simultaneously.
Logic levels are incompatible with direct drive by either bipolar or MOS logic. This is
because the multiplexer’s logic levels are dictated by the analog signal range, 0 to + 5 V.
Therefore a 4 bit buffer unit is required. The Fairchild 9112 hex DTL inverter permits
bipolar drive of the multiplexer. MOS logic systems can employ either -2 V, -9 V limits,
or (less commonly) + 10 V and + 3 V. 3 IC buffers are not presently available to mesh
these levels with those of the MOS multiplexer with 0 to +5 V analog inputs, but they
will no doubt arrive with further digital MOS product development.
Typical MOS supply voltages -27 V, -13 V, 0 V are large enough to supply the analog
switch gate line (-20 V) but not compatible with the + 10 V substrate requirement. An
alternate choice of MOS supplies would be + 12 V, - 15 V, which would be closer in
both supply and logic levels with the multiplexer. The multiplexer can be run at -15 V
for the analog gate line at a considerable loss of speed and higher Ron. A -35 V zeropower supply to gate the pull-up resistors would, of course, still be necessary.
From the foregoing it is apparent that minimization of the number of supply voltages is a
knotty problem. An alternate point of view, especially where a large number of
multiplexer channels are required, is that the multiplexer warrants its own special -20 V
and -35 V supply voltage - A supply in the + 10 V range would be a requirement for the
signal conditioning and A/D circuits anyway.
Leakage rises exponentially with temperature. The value of 1.6 FA given, is worst case
(125EC). It prevents use of the unit for 5 to 10 mV low level signals with output
impedance of the order of 50 ohms or greater. However the most common low level
source, the thermocouple has very low resistance.
Advantages, Problems, and the Future This multiplexer is still in development, and a
number of tradeoffs a-re possible. Several special advantages of th-e particular MOS
technology employed on the multiplexer are identified in this section, along with
potential problems and possible future solutions.
First MOST’s are generally subject to (a) spurious channels caused by negative leads or
charges on the thicker oxide between transistors and (b) a number of failure mechanisms
caused by spurious over voltages on the terminals.

The process technique used to make this multiplexer supports very high voltages without
breakdown, and cannot develop extraneous channels, under any type of bias/temperature
stress. Thus a number of potential failure modes found in other technologies are
eliminated.
All external leads but the ground line enter the die through reversed biased junctions
which break down at about 65 - 70 V to provide maximum protection for gate oxides. All
spurious positive signals including analog signal over voltages are shunted to ground
through forward biased PN junctions.
Large negative charges that could be destructive can leak to ground through reverse
biased junctions. Logic input lines are connected to a number of gates, and they are
therefore the most subject to oxide rupture. Diffused 2000 ohm resistors, as well as diode
protection, are used for gate safety.
The circuit can also be destroyed by a large positive over voltage on the analog input
lines. Typical samples of the multiplexer will function with an analog signal of + 9.0 V.
A + 10 to + 15 V spurious analog signal will cause a few analog switches to go on
simultaneously, but no permanent damage re sults. A + 15 to + 25 V spurious signal
input may cause overheating of metalization and failure. This can happen only if a low
impedance spurious source, such as a power supply short in a transducer bridge, occurs.
Ordinary input lead pickup won’t support currents heavy enough to cause damage.
Analog channel signal range presents probably the greatest performance drawback of the
MOS multiplexer because of the limitation it places onthe CMR range and spurious over
voltage channel crosstalk. It can be increased primarily by (1) increasing power supply
voltages and logic levels (decreasing oxide rupture margin), and secondarily by (2)
sacrificing speed through a larger pull-up resistor and (3) increasing chip area by
decreasing selector switch resistances.
The variation in Ron ()Ron) with channel voltage may be several hundred ohms. )Ron can
be decreased below that of the present unit by reducing channel length.
For some systems, the -35 V supply may be considered an intolerable nuisance. If so, it
can be eliminated in the future by use of diffused pull-up resistors, at the expense of
greater chip area.
Conclusions It has been demonstrated that a large MOS IC multiplexer satisfying most
telemetry requirements can be feasibly built. The process used manifests superior high
voltage tolerance and resistance to spurious channels.

A few drawbacks remain, which warrant further development effort, the most important
being:
(1)
(2)
(3)
(4)

Limited common mode range.
Ron variation with channel voltage.
Unusually high supply voltages for semiconductor electronics.
Lack of interchannel isolation from disabling over voltages.

However, none of these are catastrophic, and on the whole the combination of
performance, reliability, economy and ease of application should make such large MOS
analog multiplexers as the 16-channel differential unit reported herein very popular for
future time division data acquisition systems. However, availability of such units in
production quantities will probably lag considerably the 4- to 8-channel single- sided
units now on the market.
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A HIGH SPEED 10 BIT D/A INTEGRATED CIRCUIT
M. B. RUDIN and R. L. O’DAY
Fairchild Semiconductor
Palo Alto, California

Summary A new high speed 10 Bit D/A integrated circuit is described as well as the
basis for its design. Principal applications are given, notably a successive approximation
A/D employing the circuit as its feedback D/A.
Introduction The use of monolithic linear integrated circuits in PCM telemetry A/D
converters is not new. As early as 1961-62, T. I. had built pure IC laboratory units, and
in the period 1962-63, Fairchild and Radiation Inc. teamed to build an experimental
PCM IC model. More recently, Autonetics and TRW Systems have claimed similar
achievements. But none of the LIC’s used in these models has been available
commercially.
What is new about the D/A LIC reported in this paper is that it is capable of full scale
production, requires little special applications know-how, and yet performs with a
combination of speed and accuracy rivaling the best discrete component versions for
both ground and aerospace environments.
This paper describes in order, (1) basis for selection of the converter technique, (2) the
new circuit, and (3) performances achievable with D/A and A/D subsystems built around
the new circuit.
Selection of a Converter Technique for Integration From the standpoint of the
semiconductor manufacturer seeking a profitable product, the major advantages of
integrated circuits are economics and ease of application (not the usual miniaturization,
reliability, etc.). But to achieve an economic advantage, large volume is essential to write
off development costs. Therefore, the market must be broad, and the IC must have a high
degree of flexibility. Some of the characteristics considered especially desirable for
telemetry system applications were:1/ (1) 10 bit linearity and 8 bit accuracy over a
100EC. range; (2) 0 to 1 megabit/second; (3) ratio conversion with a variable (Bridge
supply) reference. Also non-telemetry applications made two other features desirable; (1)
variable full scale D/A output voltage; and (2) code formats other than binary, especially
BCD.

With these precepts in mind, the various known D/A and A/D techniques were
examined. The result was selection of a form of the familiar successive approximation
D/A feedback technique for the following reasons: (1) I. C. Compatibility: The general
technique lends itself nicely to I.C. monolithic construction in contrast to such
techniques as cyclic, charge storage converters, etc. (2) Performance: Successive
approximation can provide both accuracy and moderate to high conversion rates
required. (3) Minimum number of Functional Blocks: The scheme uses common
functions for both A/D and D/A conversion. This means fewer IC designs to develop,
fabricate, test, and stock -- thus minimizing production costs. It also means fewer parts
for the user to become acquainted with, qualify, stock, and test.
A current summing design was chosen over voltage summing because it avoids the
problem of switch voltage offset, and it permits high speed switching by current steering.
Also control circuit to signal circuit isolation could be accomplished simply without a
large number of active devices or transformers.
The selected configuration, Figure 1, shows the functional blocks of the current
summing D/A converter. Practical limits on IC circuit and process complexity as well as
the desire for flexible coding and voltage output resulted in the independent IC blocks
shown by Figure 2. The grouping of the individual current sources, reference unit, and
logic buffers on a single chip provides excellent temperature tracking and speed. The
current setting resistors may be either discrete or film at the user’s option, and they have
no reactance limitations, as they pass only DC. In the future these resistors might be built
on the current source chip, but the present state of production technology is such that
accurate thin film resistors on the current source chip are not yet economically feasible.
Also they were not initially of interest because of the desire for code flexibility. The
trans-impedance amplifier can be satisfied by a number of available IC operational
amplifiers using an external feedback resistor. The data holding register may be
comprised of individual bipolar element IC’s or available 4 Bit registers in parallel. As
large scale arrays become available, the entire register function can be provided by one
device.
The D/A converter blocks may be used as a feedback element for a successive
approximation A/D. A typical converter is shown in Figure 3. The trans-impedance
amplifier may be omitted by using the configuration given. The input buffer amplifier
capability is provided by several available IC operational amplifiers. The comparator is a
low level, high gain device with input currents compatible with the less significant bit
current value of the DAC. The digital programmer may be one LSI or a series of
available 4 Bit counters.
The Circuit The D/A chip circuit is shown in simplified form by Figure 4. The
individual current sources are transistors operated in a common base configuration to

provide a high output, impedance. The bias for the sources is provided from a
temperature compensating regulator. The individual currents are selected by the choice
of the external emitter resistor value. Current switching is accomplished by steering
diodes controlled from the logic inputs. The operational amplifier is operated in the
trans-impedance mode so that the point Vs is a virtual ground. Then the summed current
Is x Rs is the voltage out of the amplifier and the analog equivalent of digital input. It is
seen that any full scale voltage and many code formats may be selected by varying the
resistor values. However, the converter has been optimized for binary and BCD coding.
System Performance The general specifications for a 10 Bit Binary DAC and ADC
are given by Tables 1 and 2 respectively. The temperature performance is graphically
presented on Curves 1 and 2. The system configurations for obtaining these performance
numbers are shown by Figures 5 and 6. The entire converter is compact enough to easily
fit within a small component oven should the user desire greater accuracy versus
temperature performance. As may be seen from Curves 1 and 2, an oven temperature
stability of ±5EC. is more than sufficient for a 0.1% converter.
A voltage reference input terminal is provided to allow full scale current to be adjusted
±10% for transducer excitation normalization.
Besides meeting all common PCM telemetry performance requirements, the circuit has
four very important terminal characteristics from the standpoint of ease of application:
(1)

The fact that switching by current steering permits only DC to flow in the current
setting resistors, eliminates the problem of switching transients commonly
encountered in A/D resistance ladders.

(2)

The fact that the summing line output of the circuit is a 10 meg ohm current
source, driving a virtual ground in the D/A configuration, can be used to eliminate
pickup problems on the summing line. This fact can also be applied in the A/D
configuration by using the D/A summing op amp as a buffer prior to the
comparator.

(3)

The logic inputs are capable of being driven by all common forms of IC logic
because of the small voltage range required, 0 and + 2.5V, and because of the
small input current, 10Famps.

(4)

Finally, the inclusion of a precision matched voltage reference on the chip
eliminates a major source of production complexity for the user.

Conclusions A new digital-linear interface circuit has been developed which can
greatly improve the economics and logistics of PCM telemetry encoders, and D/A

readouts, while providing performance comparable to the best discrete component
designs.
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POSSIBILITIES OF PCM-ENCODING
Ph. HARR. R. HOMMEL, H. LIEBELT and E. TRIENDL
Deutsche Versuchsanstalt fuer Luft- und Raumfahrt e,V.
(DVL) Oberpfaffenhofen, W. Germany

SUMMARY This paper concerns with the various possibilities to encode spacesignals for PCM-telemetry. It first reviews the logic design schemes to count binary
events, to read out counted numbers, to compress data by floating point representation,
and to convert analog signals with large dynamic ranges to binary numbers. Then, sane
technical solutions, which are under developement by DVL in cooperation with German
industry, are described as examples. For these, heavy use of integrated circuits,
monolythics, and hybrids was made.
1. INTRODUCTION The continuously increasing importance of particle counting
experiments in space application on the one side, and the general trend to use PCM for
telemetry on the other makes it advisable to review the various possibilities for
PCM-encoding. We, therefore, will compare the logical encoding schemes for binary
events, and study the relative advantages and disadvantages with respect to the various
applications. Knowledge of these properties may be of use to select the proper system for
a specific goal.
By means of this review, we will see, that some of the logical design schemes, which
have hardly been practiced so far, would be of good use if proper circuitries would be
available on the market.
One of these logic elements is a counter-shift flip-flop. This type of element is now
under developement at DVL in cooperation with AEG-Telefunken. Its electronic design
and mechanical lay out in thick film technique will be described as well as its application
in a special example.
Another element is a 2 to 8 level converter, which could easily be used to telemeter
scaled binary events thru analog channels without any programmer. DVL has developed
such a system in cooperation with ITT-SEL. It will be described shortly.
Besides of binary events, also analog signals are preferably telemetered in PCM, as well
known. One special case of continuously increasing importance is the PCN conversion
of analog signals with large dynamic range. Two electronic designs will be reported on.

2. REVIEW OF P(N-ENCODING METHODS FOR BINARY EVENTS.
2.1. LOGICAL ELEMENTS USED We will describe the logic functions by means
of the following 4 basic elements: flip-flop with additional set or reset-inputs, or-gate,
and-gate, and inverter (fig.1). The logical function of a flip-flop depends on its feedback.
As a counter stage its 2 outputs must be fed into its 2 inputs. No feedback is necessary, if
the flip-flop shall be used as a shifter stage.
2.2. BINARY COUNTER
binary events:

There are, in principal, two different ways to telemeter

a.

Transmission of each event or each 2nth, 2mth, etc., event immediately after it had
occurred0by means of a binary signal (synchronous transmission); m, n are
integers.

b.

Transmission of the number of events which have been counted during a given
time interval.

In both cases, except for transmission of every event, counters are necessary.
2.3. RIPPLE COUNTER (BINARY SCALER) (fig.2) - The simplest type of binary
counter is shown in fig.2. This binary scaler has, as well known, the following
advantages:
a.

The counting result CR can be displayed easily as it is stored in a simple
mathematical form

where ai is the binary status “0” or “1” of the ith flip-flop.
b.

The maximum frequency of the input signal decreases by a factor 2 from stage to
stage. Therefore, the counter can be built out of stages with different maximum
frequency responses, and different power consumptions.

c.

The signal source is loaded by one flip-flop only.

d.

Well developed circuits can be used.

The disadvantages are:
a.

The counting results are given in a parallel form whereas telemetry requires a time
sequence.

b.

There is a propagation delay of )J from one stage to the other accumulating to a
total delay of n )J.

With respect to other possibilities for counting, compare chapter 2.2.
2.4. ASYNCHRONOUS PCM-TRANSMISSION Before we will consider the
synchronous type of PCM-encoding, where in a continuous sequence various counters
are read out periodically, we will discuss the asynchronous transmission. This type of
transmission avoids the logical circuitry and the programmer, which are necessary for
time-multiplexing.
In special cases it seems to be useful to avoid these expenses by counting each individual
binary event or a multiple of it (asynchronous transmission).
Fig.3 shows the principle by an example, namely asynchronous transmission of binary
events through IRIG-FM/FM-channels. The number of counter-stages are selected so
that the maximum transmission-rate is compatible with the bandwidths of the various
channels. This straightforward method is not sufficient, if as for channel 7, the rate of
binary events varies on a wide scale. This happens very often in scientific experiments.
We have then to transmit not only every 2nth pulse, if n is designed for the maximum
bitrate, but also the 2mth, 2kth pulses, where m and k are integers, adapted to medium and
low bitrates. Therefore, additional outputs of counter stages are necessary.
In order to avoid additional expense on channels it is advisable to take advantage of the
good analog transmission quality of FM/FM-IRIG channels. Here, transmission accuracy
is, as well known, in the order of at least 5%. It is, therefore, no problem to use 8 discrete
levels instead of 2. A resistor network (fig.4) combines 3 binary outputs to result in an 8
level system, each level representing some number out of the 23 possible ones. Recording
occurs by converting the signal into 3 binary channels (ADC).
We have successfully used this technique for sounding rocket experiments. The electrical
lay out is shown in fig. 5; two typical 8 level signals are shown in fig.6.
2.5. READ OUT SYSTEMS FOR BINARY SCALERS In most cases there are
many binary scalers in one space vehicle. This requires - except for asynchronous
transmission - a programmer which organises the time multiplexed read out of all scalers.

There are different ways to read out the contents of a binary scaler in a time sequence,
i.e. to convert from parallel to serial, as described in the following chapters.
2.5.1. READ OUT BY AN ADDITIONAL SHIFTREGISTER (fig.7) Each stage
of the binary scaler is connected with the corresponding stage of a shiftregister by a 2 leg
AND-gate. The gates allow to overtake the content of the scaler into the shiftregister on
command as shown in fig.7. The n binary digits representing the counting result, are
available as a time sequence at the output of the register. The bitrate is given by the
clock. When overtaking the content into the register it may be necessary to inhibit the
scaler input. This depends upon the ratio between the maximum counting rate, the
overtaking time, and the permissible bit error. If there is a set of m scalers to be read out
in a sequence, two extreme possibilities for the logical location of the shiftregister are
given:
a.

Every scaler has its own shiftregister as shown in fig.7.

b.

All m scalers use the same central shiftregister.

The more reliable solution is the first one shown in fig.7.
A set of m such devices requires the following lines:
m
m
m
1

overtaking command lines
time sequenced input inhibit lines
output lines connecting the outputs with a m leg OR-gate
clock line.

The disadvantage is that each counter stage needs one additional 2 leg AND-gate, and
one additional shifter stage.
The advantage is the relative low number of lines between the device and the central
unit.
2.5.2. READ OUT-BY ADDITIONAL OR-GATES Fig.8 shows a solution which
avoids the shift register by using a n leg OR-gate. Each stage of the binary scaler is
connected with the corresponding leg of the OR-gate by a 2 leg AND-gate. The counting
result is available at the output of the n leg OR-gate if the n 2 leg AND-gates are clocked
in sequence. The bitrate is given by the sequence at the gate inputs 1 to n.
If there is a set of m scalers to be read out into a sequence there are two extreme
possibilities for the logical location of the additional OR-gate:

a.

Every scaler has its own n leg OR-gate

b.

all m scalers use the same central m X n leg OR-gate.

By using the first solution the sequencer has to generate time sequenced read out signals
on n lines as shown in fig.8. After finishing the read out period for one scaler the n lines
must be switched to the next scaler etc. In addition the input and output inhibit must be
switched.
Therefore, the following lines are necessary:
n x m time sequenced lines to the AND-gates
m

time sequenced input-output inhibit lines

m

output lines.

For the second solution - all m scalers use the same central m x n leg OR-gate - the same
number of lines is necessary. Use of the second solution is not advisable from the
reliability point of view as malfunction of only one element may cause the interruption
of the whole data transmission.
2.5.3. READ OUT BY AN OVERFLOW METHOD The disadvantage of the last
solution is avoided by the following one, which will be applied by ITT-SEL in the first
German satellite “AZUR” (fig.9).
The overflow of a binary scaler is used to transfer the content of the scaler to an auxiliary
scaler. It can be shared by a large number of scalers. The problem of parallel to serial
conversion is then reduced to a single counter, namely the auxiliary counter. Transfer is
performed in the following manner: After the counting period is finished the binary
counter is connected with a clock line. This clock line is also gated with the auxiliary
scaler(a backward counter). The backward counter counts clock pulses until overflow
occurs in the binary counter. The content representing the counting result is transferred
to the auxiliary counter in this way. In the worst case 2n clock pulses are necessary on
the clock line.
If the corresponding time is too long, both counters can be splitted for the read-out
period as shown in fig.10. The read out time is now 2x2n/2 clock pulses if both parts are
read out in serial, or 2n/2 if both parts are read out in parallel.
As shown in fig.10, each part of the splitted counter needs two 2 leg AND-gates, one 2
leg OR-gate, and one additional flip-flop.

In general, if a set of m scalers splitted in k parts is used, the following number of lines is
necessary:
m
inhibit lines
mxk clock lines
mxk lines to the k backward counters.
The disadvantage is the long read out time.
The advantage is that this system can be built with standard elements, and that it is of
good use for read out of many scalers.
2.5.4. READ OUT BY MEANS OF DELAY UNITS
used if the flip-flop has an additional reset input R.

This solution (fig.11) can be

The n flip-flops are combined to a ripple counter. The reset inputs are supplied by n-1
delay units. As shown in fig.11, the counting result will be obtained at the output of the
last stage if the clock line is pulsed by n pulses. During the read out period this device
acts like a shiftregister. If a set of m scalers is used the following lines are necessary:
m
m
1

inhibit lines
output lines
clock line.

If the delays can be built very simple this arrangement will be very reliable.
2.5.5. COUNTER-SHIFTREGISTER As shown in fig.1 the same flip-flop can be
used either as a counter stage or as a shifter stage by changing the feedback. This
property is used for the solution shown in fig.12. During the measuring period the flipflops are connected as a ripple counter by the n-1 additional gates located between the
flip-flops. If the potential at the switch line is changed during the read out period the
gates connect the flip-flops as a shiftregister, and n clock pulses shift the counting result
out of the scaler.
As shown in fig.12 the input- and output inhibit pulses have the same duration as the
pulse at the switching line. Therefore this device needs only the following number of
lines if a set of m scalers is used.
M
m
1

inhibit - switch lines
output lines
clock line.

The additional gates and their connections are of disadvantage.
A more reliable device because of the additional gates being combined with the flipflops in hybrid technique is discussed in greater detail in the following chapter.
2.5.6. EXAMPLE OF A COUNTER-SHIFTREGISTER In order to simplify the
circuit diagram of the CS-register, special flip-flops have been developed for application
in encoding systems.
a.

Circuit diagram of CS-flip-flops:
If the network (fig.13a) is added to an ordinary shift flip-flop (fig.13a,b) CS-flipflop is formed (fig.13c). The operation can be easily explained
as follows:
Shift mode - The control voltage U is positive, therefore D4 and DS are cut off.
Pulses going thru CE cannot arrive at the base of either Tr 1 or Tr 2. The remaining
circuitry shows the wellknown shift flip-flop.
Count mode - No shift pulses are applied to pin S, U is zero. Pulses thru C3
overrule pulses thru R5 or R6. Therefore, the result is the picture of an ordinary
ripple counter flip-flop.
Electrical lay-out - Two types of CS-flip-flops exist to meet different
requirements.

c

Performance

d.

Mechanical lay-out
Based on prototypes of DVL the CS-flip-flops have been manufactured by
Telefunken in thick film technique (fig.14). One package contains two CS-flipflops and has the following dimensions:
length
height
depth

27 mm
13 mm
3 mm.

e.

Example for encoding system
Fig.15 shows the block diagram of a simple P04 encoder based on CS-registers. It
consists of eight CS-registers, a buffer shift register and a central control
electronics.
CS-register: Each register consists of 16 flip-flops. Count time is 0.022 sec, read
out time 0.2 msec. The read out process of the second register starts 12.8 msec
after that of the first; similarity, the time gaps between the read out processes of
the other channels are multiples of 12.8 msec, giving a total cycle length of 8x12.8
msec = 0.1024 sec.
Buffer register: The read-out signal of the CS-register consists of eight 200/usec bursts separated by a time zap of 12.6 msec. Each burst carries the information of
a 16-stage binary number. In order to smooth out the pulse rate density equally
over the cycle length a buffer is enclosed between the CS-register and the
transmission line (p.e. FM/FM-telemetry). 8x16 pulses are now equally distributed
over the 0.1024 sec cycle length giving a buffer shift pulse rate of 1.25 kc.
Control electronics: The control electronics driven by an880 kc clock provides the
CS-register and the buffer with shift, reset, and countshift control pulses in the
correct sequence. A glance on the block diagram (fig.16) shows the
straightforward philosophy of the circuit and demonstrates the fact that the
simplification of the basic register mechanism goes hand in hand with a reduction
of the remaining electronics.

2.6. FEED-BACK-SHIFT-REGISTER Counting of binary events cannot only be
performed by scalers, as described before, but by any type of storage system, which is
able to uniquely map all numbers up to the maximum number of events to be counted.
As one technical solution which is of practical interest we will now discuss the linear
feedback-shift-register.
The principle is shown in fig.17. 2n different binary combinations are possible, if
feedback is performed properly.* Therefore, a n-stage feedback-shift-register can be used
to count up to 2n binary events. Coding is in this case, of course, different from the
common binary code. This might be a disadvantage. Of benefit is, that the content of the
register can easily be obtained as a time sequence just by feeding n pulses into the
clockline. So, read out is as simple as with counter-shift-registers. One has, however,
*

“Analysis and synthesis of linear and non-linear shift register generators” by Thos. A.
ROBERTS, International Telemetering Conference, London, 1963, Vol. 1, p. 390 - 399

take into account that for feedback-shift-registers all register stages must be designed for
the maximum counting frequency.
The clockline needs a fan out of n because all clock inputs of the n flip-flops are
connected.
As another feature the delay time for this counter is only )J instead of n )J by the ripple
counter. All stages are switched simultaneously. This fact makes this counting especially
useful for programmers, where delays between the individual steps may cause spikes at
the output of connected gates; see fig.18.
2.7. DATA COMPRESSION BY FLOATING POINT REPRESENTATION In
general, the encoding system connecting the outputs of the particle counting experiments
with the transmitting system must be as simple as possible. That means the number of
components, connections, etc. has to be a minimum.
However sometimes there may be good reason for data compression in the spacecraft
itself, for example, limited transmitter power and storage capacity of the memory
systems used. One straightforward method to compress the data is the conversion of
numbers into a floating point representation. Here from the total number n of stages, only
the very limited number m (mantissa) of binary stages (7 for example in the case of 1%
accuracy) is requested, as far as accuracy is concerned. In addition, it is necessary to
indicate the position of the most important bit … 0, i.e. the exponent. For a n stage
register with m stages requested for a mantissa the exponent requires log2(n-m) binary
stages.
There are two conversion methods:
a.

The binary events are counted as described above and converted into a logarithmic
form after the parallel to serial conversion (sequential conversion).

b.

The particles are counted directly in a logarithmic form (direct conversion).

2.7.1. SEQUENTIAL CONVERSION The binary sequence is shifted into a
shiftregister with m-1 stages as shown in fig.19. An overflow of this register stops to
shift the counting result and connects an additional scaler with the remaining
clockpulses. This number of clock pulses equals (n-m) and determines the range of the
mantissa. The register may have m-1 stages only, because the first value of the mantissa
is 11111, in the most cases. If there is a “1” it is indicated in the exponent scaler.
Mantissa and exponent can be read out in one of the ways described above.

2.7.2. DIRECT METHOD Counting directly in a logarithmic form can be done as
shown in fig.20. A counter representing the mantissa counts every binary event until
overflow occurs. This overflow switches a gate network in such a way that the mantissa
scaler counts every second event now. The next overflow of the mantissa counter
switches the gates again so, that the mantissa scaler counts every fourth event and so on.
An additional scaler counts the number of overflows of the mantissa scaler and
represents the range of the mantissa. Also this scaler is responsible for switching the
gates in such a way that the input of the mantissa scaler is connected with the outputs of
an additional counter. This counter is an usual binary counter.
To read out the counting result from both scalers - mantissa and exponent one of the
methods described above can be used.
3. PCM ENCODING OF ANALOG SIGNALS So far we have only considered
binary events. As there is a general tendency to transmit also analog signals in PCM one
special case of increasing importance shall be discussed:
Conversion of CW-signals with large dynamic range. We will constrain ourselves to this
case. With respect to the very interesting alternative, PCM encoding of analog pulse
signals with large dynamic range, we only want to refer to**
3.1. SATURATING AMPLIFIER CONCEPT Conversion of the analog form into a
digital format requires an A/D-converter whose unity step should be smaller than the
smallest signal variation of interest. This variation is usually given by the dynamic signal
range and its accuracy at the lowest amplitude. To convert a signal with a dynamic range
of p-bits and an accuracy of m-bits we need a m+p bit ADC.
n = m+p
m = log2 of the accuracy
p = log2 of the dynamic range.
If m becomes large, much of the accuracy of the analog to digital converter is waisted,
apart from the problems presented by high resolution ADCs in space environment.
The situation can be improved by using a logarithmic amplifier in front of the ADC in
space environment, but:

**

“A three parameter pulse height analyzer and coincidence system for satellite cosmic ray
studies”; by S. Way, D. Stilwell, and S.L. Jones, IEEE Transactions on nuclear science, Febr.
1966, p. 523-532

a.

a logarithmic amplifier contains non-linear analog elements of poor stability,

b.

ADC accuracy is still waisted to accomodate the “exponential part” of the
logarithmised signal.

Some kind of range switching will solve the problem. Simple voltage deviders are not
feasible in space application since they diminish the dynamic range because of the input
offset voltage and the output swing of the operational amplifiers being used.
The saturating amplifier concept (fig.21) uses several low amplifying (eight times for
instance) stages in series. Depending on the magnitude of the input signal the amplifiers
saturate one after the other, beginning with the last one. Saturation is sensed by Schmitt
triggers and the last not saturated amplifier is gated to the ADC by an analog switch. The
number of this amplifier is encoded. Since it specifies the magnitude of the signal, it may
be regarded as exponent while the ADC generates the mantissa.
Fig.22 explains the situation for a two-stage amplifier with a stage amplification of 4.
The broken line is obtained by joining the exponent as the most significant bits to the
mantissa, It is a straight line approximation of the logarithm. The dynamic range of the
mantissa output is equal to the stage amplification, since the next stage is switched on
when the signal gets lower. The ADC has therefore to have n’ bits:
n’ = A1 +m
n’ = number of bits of the ADC using saturating amplifiers,
A1 = dynamic range of one stage (bit) or 1092 of the stage amplification,
m = log2 of the required accuracy.
The total dynamic range is:
p = A1 (M+l)
M =number of stages.
The relation between the number of bits gained in the ADC and the number of
amplifying stages which enables to find the best combination is therefore:
n - n’ = p+m - (A1+m) = p-A1
= A1M
n-n’ = decrease of the required number of bits of the ADC.
As an example, a 3 stage amplifier with a stage amplification of 8, connected to a 10-bit
ADC thus giving a 7-bit (o.8%) resolution over a 9-bit (1:512) range is under

development at DVL. The encoder is constructed in cooperation with Telefunken in
thick-film technique.
3.2. A COMBINED RAMP SUCCESSIVE-APPROXIMATION ANALOG-TODIGITAL CONVERTER FOR SPACE APPLICATION In some cases, especially
in space application, there is a need for a simple ADC resolving about 14 bits. Such an
ADC may have quite poor long term stability, since the experimenter frequently uses the
last bits of precision only to monitor the short time variations of the physical function to
be investigated.
Under these circumstances, a conversion principle may be used as it is illustrated in
fig.23. Two 3-bit ramp encoders (3-bits shown for simplicity reason) are connected in
“series” to form a 6-bit ADC. The first encoder, called the coarse one, generates an
ascending staircase, which is stopped as usual when it intersects the signal level. The
difference between the signal and this level is fed to the second, the fine, ramp ADC,
which has an input swing of one coarse step and which generates a descending staircase
down to the signal level. Its starting pulse is derived from stop pulse of the coarse
counter.
Fig.24 shows the block diagram for a combined converter consisting of two separate
ramp ADCs using the same comparator. Two identical digital-to-analog converters are
coupled over the resistor R, which reduces the voltage level. The DAC for the coarse
steps must be eather of high precision, or a calibration table must be used for decoding.
Since the fine counter counts in the opposite direction its output has to be inverted to
form a normal binary word.
A considerable increase in speed over the pure ramp ADC results in using two ramps in
series. For instance a 14 bit ramp has about 16000 steps (16384), whereas two 7 bit ramp
ADCs have a total of 512 steps, i.e. a 1:64 decrease in aperture time can be gained.
A 14 bit combined ADC has been constructed by Telefunken to instrument the
electronics of a satellite experiment made by DVL. The ADC consists of five thick-film
flatpacks, as one ot which is shown in fig.25.
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Summary The trend toward more automated PCM decommutation systems demands
less operator intervention in their operation. A weak link in this progression has been in
the implementation of group synchronizer strategy. A new synchronizer has been
developed based on the optimum properties of sequential probability ratio testing which
requires only one program based on required worst case decision error probabilities and
which is independent of the PCM format being synchronized. A mathematical model is
formulated which accurately describes the operating characteristics of this technique.
These operating characteristics are then compared to conventional synchronizer
characteristics which demonstrate the superiority of this approach. The decision process
described inherently adapts to signal conditions by making decisions faster and with less
chance of error as bit error rate decreases. Only the Check Mode is discussed, but the
same techniques apply to the Lock Mode.
Introduction Pattern synchronization of PCM formats is a statistical problem which
must be solved before organized data can be supplied as an output from a telemetry
ground system. The standard approach to solving this problem is to identify a probable
synchronization word location in a Search mode and then to statistically verify the
location to some criteria in a Check mode. Following verification, the Lock or
Maintenance mode monitors the selected location against a separate criteria and reverts
the System to Search when synchronization is lost. This paper develops a sequential
probability ratio test (SPRT) decicision process for pattern synchronizers which makes
decisions in less time and with greater probability of correct decision than conventional
techniques. The SPRT is not format dependent and inherently adapts to bit error rate. As
a result, the number of samples required to verify a sync location automatically decreases
as the bit error rate decreases. Only the Check mode is considered but the same approach
is directly applicable to the Lock mode. Also the SPRT technique may be used in Search
mode if the data stream is word organized.
The decision process required in the Check Mode can be diagrammed as in Figure 1 .
The pattern location being tested can be the correct location, (hypothesis H1 true), or an

incorrect location, (hypothesis H0 true). Testing can result in two kinds of errors; if H1 is
true there is a probability $ that it will be rejected and if H0 is true there is a probability "
that it will be accepted. All decision processes are subject to the decision error
probabilities " and $ and the choice of one process over another should be made on the
basis of the time required for completion of the test for a given strength (", $). A faster,
more efficient synchronizer decision process results in less loss of data.
Conventional synchronizers attempt to solve the synchronization problem by requiring
sync patterns to meet a selected threshold tolerance a selected number of consecutive
times. There are several disadvantages to this philosophy:
1.

Detailed analyses must be made before proper error limits can be determined for
near optimum synchronization under adverse and varying noise conditions.

2.

The system is committed for a particular setup even though the actual noise
environment encountered is better than the expected environment. This results in
an unnecessarily long verification period (Check mode) and loss of frames of
otherwise good data before the Lock mode is achieved.

3.

Conventional synchronizer strategy is format dependent because of the group-bygroup techniques employed in standard synchronizer mode logic. The statistical
decisions required of group synchronizers, however, do not have any inherent
format dependence.

The last statement is the key to the limitations of conventional techniques. By using
serial pattern correlation the problem reduces to making decisions on serial digital
sequences which appear the same to the synchronizer regardless of the format.
Sequential Probability Ratio Test (SPRT) Wald1 has shown that a SPRT of strength
(", $) for testing hypothesis Hi against an alternate hypothesis Ho is defined by the
inequality
(1)

Pin is the probability that H1 is true after “ n” samples and P0n is the probability that H0 is
true after “ n” samples. For each “ n” the probability ratio is evaluated and compared to
the inequality bounds. If the probability ratio after the “ nth” sample equals or exceeds
(1-")/$ then H1 is accepted. Likewise, if the probability ratio is less than or equal to
"/1-$, H0 is accepted. If neither of the inequality bounds is met then another sample is
1

Abraham Wald, “Sequential Analysis”, John Wiley and Sons, Inc., New York, N.Y., 1947

taken and the decision process is repeated. Wald and Wolfowitz2 have proved that no test
of strength (", $) can be devised that requires fewer average number of samples “ n” than
the SPRT.
In the case of PCM pattern synchronization, H1 is the hypothesis that the pattern being
tested is the true pattern with a bit error probability of , and H0 is the hypothesis that the
pattern being tested is from the data stream. If random data and synchronization patterns
with statistically independent bit errors are assumed then the probability functions P0n
and P1n are described by binominal functions. Using these assumptions, after “ n”
samples of serial pattern correlation EJ errors occur and EI = n-EJ bits correlate, the
SPRT is defined by the inequality

(2)
Taking the logarithm of (2) and dividing by 1n 2(1-,0) results in
(3)
Note that " and $, the two required decision error probabilities, are constants and ,0 is
the worst case bit error rate of the input data, also a constant. When " and $ are made
equal the result is
(4)
where

(5)

and
(6)
Figure 2 plots K as a function of ,0. Typical PCM systems require syncronization
capability of formats with bit error rates approaching 10%. Hardware simplicity suggests

2

A. Wald and J. Wolfowitz, “ Optimum Character of the Sequential Probability Ratio Sequential
Test” , Ann. Math. Stat. , Volume 19, pp 326-339; 1948

that constants K and L be restricted to integers. Therefore, K is chosen as 3
corresponding to worst case bit error rates ,0 of 8%. L is readily computed from (5).
The decision process of the sequential probability ratio test defined by (4) above is
described as follows. Each bit correlation increments an accumulator by one and each bit
error decrements an accumulator by K. The resultant total is compared to the limits ± L.
If +L is equalled or exceeded a “ Go to Lock” (accept H1) decision is made and if the
total is less than or equal to -L a “Return to Search” or reject decision (accept H0) is
made. if the inequality bounds are not exceeded another pattern bit is tested and the
process repeats. Figure 3 is a flow chart of this decision process. The block diagram of
the hardware required to implement the SPRT is shown in Figure 4 and is basically an
arithmetic accumulator with a limit detector.
Operating Characteristics of the SPRT The preceding discussion presents the
foundation for sequential probability ratio testing as applied to PCM pattern
synchronization. Additional information is required in order to compare SPRT with
conventional synchronizer strategy. How many sync pattern bits must be tested before a
decision is made and how do error rates other than the worst case error rate ,0. effect the
operation? Approximate answers of these questions can be derived by extending the
previous results. Study of (4) reveals, however, that this SPRT is directly analogous to
classical one dimensional random walk problems. Solutions to these problems are readily
computed using matrix techniques.
The matrix representation of the SPRT is
(7)

where:

and all other entries are 0.
Matrices [Sij] and [0Ck] are constructed in FigLire 5 for the case L = 8 and K = 3. Each
element nCk in the column matrix [nCk] is the probability that the sequential tester has a
count of k after the nth sample has been tested. Thus nCL is the cumulative probability
than an accept decision has been made by the nth sample and nC-L is the cumulative
probability that a reject decision has been made.
The values nCL and nC-L for various weighting factors K and limits L have been computed
using a digital computer. The limiting values of these parameters correspond to and 1-$
and $ respectively when the true sync (, = bit error rate) location is being tested and to "
and 1-" respectively when random data (, = . 5) is being tested. Figure 6 plots $ and "
computed from this model versus limit L for the case K = 3 and the actual bit error rate
equals 8%.
Also plotted is " and $ versus L predicted by analysis (equation 5) for the same
conditions. The third characteristic is a convenient approximation to any of these curves.
The approximation is justified on the basis that test control is required only for order of
magnitude change in decision error probability and therefore the little differences in the
curves can be neglected. Thus the approximation curve is a conservative estimate of the
decision error probability for the stated conditions. Note that each increment of 4 results,
very nearly, in an order of magnitude change of decision error probability. By restricting
the limits ± L of sequential testing to multiples of 4 and defining the programmed limit
PL = .25L, the decision error probability can be approximated by
(8)
As stated earlier there is no PCM format dependence in sequential testing. Selecting
K = 3 in the hardware design of the SPRT, the only synchronizer strategy required is
selection of PL. The selection of the worst case decision error rate bound follows from
equation (8). If a and p are required to be 10-3 or 10-6, PL is simply 3 or 6.
The cumulative probability of decision error as a function the number of bits checked n
is plotted in Figure 7 for the conditions K = 3, PL = 3 and , = .5 (data stream), . 08, . 05,
and . 01 to a resolution of # 1 x 10-4. The adaptive nature of sequential testing is apparent
from these curves. If the actual bit error rate decreases from the worst case error rate Eo
= 8%, decisions are made faster (fewer bits checked) and with less chance of error
($ decreases). The test is not committed for a certain length of time (bits or patterns
checked). Even at , = 8% these is a 35% probability that a correct accept decision will
be made by testing only 12 bits.

Figure 8 plots cumulative probabilities of decisions as a function of n for , = 8% and
different programmed limits PL. The effect of increased PL is to increase the number of
bits tested for the same probability of decision but to decrease $. Convenient
approximations to n for given cumulative probabilities of correct decision (H1 true) are
indicated by the dotted contours.
Comparison of Sequential Testing With Conventional Synchronizer Strategy
Conventional synchronizer strategy in the Check Mode requires each of X consecutive
patterns to correlate within J errors for a “ Go to Lock” decision. Any pattern with more
than J errors causes a “ Return to Search” decision. If P1,J, , is defined as the probability
that the true pattern (H1 true) with an error rate of , has J of fewer errors and P0,J ,.5 is
defined as the probability that a location in the data stream (H0 true) has T or fewer
errors then
(9)
and

where

and

and
Using these relationships, X and J can generally be determined for a required test
strength of (", $).
The following minimum settings are required in a conventional synchronizer at an 8% bit
error rate for maximum " and $ of 10-3 and 10-4 .

TABLE I.
Conventional Synchronizer Settings for
Given Test Strength (", $)

Corresponding strategy of the sequential tester is simply PL = 3 or 4. Note that
initialization of the sequential tester is independent of format (pattern length). Speed of
the sequential test is indicated in Tables II and III.
TABLE II.
Sequential Test Speed at 8% Bit Error Rate

TABLE III.
Sequential Test Speed at 1% Bit Error Rate

Conventional synchronizers are commited to test for X frames for an accept HI decision
regardless of the incoming bit error rate whereas the sequential tester will adapt by
making faster and “ surer” accept decisions as the error rate decreases.
Conclusions The mathematical foundation for the design of a probability ratio
sequential tester applied to PCM pattern synchronization has been presented and a model
was formulated which describes the operating characteristics. These characteristics,
when compared with conventional synchronizer strategy can be summed up as follows:
1.
2.
3.
4.
5.

Sequential tester decisions are made much faster, on the average, than with
conventional techniques.
Sequential testers inherently adapt to the signal quality conditions eliminating the
requirement for operator intervention during operation for optimum performance.
Only one program is required for sequential tester initialization and that program
is directly derived from required worst case decision error probabilities.
Initialization of the sequential tester is independent of format parameters.
More synchronized data is available for output because of the faster decisions.

While only application of sequential testing to synchronizer Check mode has been
discussed, these same techniques can be applied to other modes and digital test problems
such as data quality testing.
Acknowledgment The author wishes to acknowledge the contributions of his
associates at Dynatronics which led to this development and in particular to P. Mallory
for many valuable discussions and suggestion of the matrix model.
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) -T CURVES FOR MEASURING MAGNETIC TAPE LINK JITTER
J. Y. SOS, J. M. COLE, W. B. POLAND, Jr. and G. WEISS1

Summary Magnetic instrumentation tape recording links are usually required to be
substantially transparent data channels. One of the most important deviations from this
requirement, both in FM and direct recording modes, occurs in the area of time delay
error.
A method for measuring the root-mean-square time delay error ()) between points on a
record vs their separation in playback time (T) has been described in the literature (Refs.
1 and 2), but the implications and interpretation of this technique have not been fully
developed. This paper derives the theoretical relationships between the )-T curve and
the autocorrelation function of a pure sine wave recorded on the tape, and uses this
correspondence to establish a connection between jitter spectra and )-T curves. A simple
instrument for measuring these curves with high accuracy is described, and results of
measurements made on a number of intermediate-band tape units in use at the Goddard
Space Flight Center are presented. These measurements show that a low-mass tape unit
may be superior to high mass units by more than an order of magnitude.
The utility of the )-T measurement technique is discussed on the basis of its direct
relationship to PCM and coherent recording applications, and its value as a standard
means for evaluating time delay error in magnetic tape links is described. It is also
shown that the technique can be used to determine FM modulation index.
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Introduction It is sometimes assumed that, as a data link, a magnetic tape system is
transparent. For many applications, this is far from true. Magnetic tape systems introduce
many kinds of distortion, the most notable and unique of which is time delay error
(TDE).2 Because this type of error is not usually controllable in other types of data links,
it has not been-thoroughly treated either theoretically or experimentally. In particular, the
measurement of jitter in a form meaningful for time division multiplex systems deserves
fuller development. An approach having the required properties of easy implementation
and direct application of results has been reported by Schultze (Ref. 1), and a form of
this method has been adopted in the IRIG Telemetry Standard 106-66. A recent paper by
Chao (Ref. 2) discusses the relationships between time and frequency errors based on a
brief theoretical treatment. In this paper we have provided a more detailed presentation
of the theory connecting the time and frequency domain descriptions, and have treated
several typical cases. Of particular interest is the demonstration of the relationship
between the autocorrelation of the time error function and the flutter spectrum. The cases
treated should form a basis for a test method sufficient for both FM and direct modes of
tape recording, using either direct observation of an oscilloscope or a modest amount of
special electronic equipment. For example, we show that for a sinusoidal modulation
function the FM modulation index can readily be found from the A-T curve. This may be
useful for measurements of FM telemetry channels and for checking flutter meters as
well as for tape unit measurement.
The method described by Schulze (which we will refer to as the )-T method) has been
adopted in our group at GSFG for evaluating the time base performance of
instrumentation magnetic tape units. It is also under consideration for incorporation in
the forthcoming GSFC tape recorder standard. Measurements of the performance of
various tape units have been made, and a precise measurement device has been
developed for cases where an oscilloscope with delaying sweep will not suffice.
Description of the )-T Technique Figure 1a indicates the method for measuring time
base error. For approximate measurements, in cases where ) represents substantially
more than 1:20,000 of T, readings may be taken directly from an oscilloscope having a
delaying sweep. Estimates of ) may be obtained by observing the duration of the region
containing approximately 2/3 of the zero crossings of the delayed presentation. This is a
2

In this paper, we will use terminology similar to that of Chao (Ref. 2); i.e., the term “time base
error” (TBE) will denote all types of time errors ranging from constant tape speed errors to high
frequency fluctuations, also called jitter. The term “time delay error” (TDE) will refer to rms
fluctuations in time displacement between two well determined points on a periodic playback
wave form (denoted by )). This is equivalent to Chao’s “time base error difference” (TBED). No
lower frequency limit is set on these fluctuations for present purposes; however, such a
distinction is implied in the IRIG Standard 106-66 and is helpful for general use. As in Chao’s
terminology, “flutter” refers to fluctuations in the frequency of a played-back signal and is the
time derivative of TBE.

fair approximation of twice the rms value of A for many distributions as well as
Gaussian (e.g., for a Gaussian distribution, the true value is 0.683, and for a sinusoid,
0.707). A small measurement error is incurred if the time between the start of the
measurement interval (normal sweep) in Figure la and the mean of the zero crossing
distribution is ignored. However, the effect of this omission is usually negligible.
For more precise measurements, T may be established by a high speed counter and
gating logic, and A may be obtained after zero crossing displacement has been converted
to voltage and passed through a true rms meter (see Figure 1b). Accurate results demand
a SNR of 18 db or greater in the reference channel (see Appendix A).
For purposes of discussing time delay error, the transport subsystem of a magnetic tape
unit may be considered an FM modulator. The jitter function of the transport mechanism
is analogous to the modulation function and the recorded reference on the magnetic tape
to the carrier. The )-T measurement technique described above in effect measures the
rms relative phase between arbitrary points separated by an interval T on the reference
waveform (Ref. 3).
Relationship between )-T and Spectrum of Time Delay Error
Figure 2 shows the relationship between several characteristic )-T curves and the
corresponding spectra. The theoretical justification for these correspondences is given
below and in Appendix B. It is to be noted that the )-T curves are frequently better for
the user than the spectra, as well as somewhat easier to obtain, because for any process in
which a fairly high degree of time base coherence is required, such as in time division
multiplex telemetry, the )-T curve provides a direct measurement of the required
performance characteristic.
If a phase locked loop is placed on the reference signal, and its output used to synch the
delaying sweep of Figure 1a, the ) measured at the input to the loop with small T will
correspond to that measured without a phase locked loop and T approximately the
reciprocal of the loop bandwidth () should be diminished by 1 / %2 if the jitter is
Gaussian). For narrow loop bandwidth this can be equivalent to measurement of jitter
with respect to a stable reference. A detailed analysis of the )-T behavior of phase
locked loops will be offered in a subsequent publication.
Analysis of the )-T Function
A model that is useful in predicting the time displacement error in tape recorders is based
on the assumption that a reference sinusoidal voltage is recorded with no timing errors

and that the variations in interval between a given number of zero crossings of the
playback sinusoid is observed (see Ref. 3). The playback signal may be represented as:
(1)
where the observed frequency T" depends upon the nominal tape transport speed S0 and
associated variations x(t) in the following way:
(2)
The quantity k in (2) relates tape speed to playback signal frequency. Therefore kS0 is the
nominal playback frequency T0.
The phase angle of e(t) may be obtained by integrating T" over a given time period. The
phase angle is then:
(3)

The time displacement is defined as the time interval between two recorded events. For
the model used here, the events are two positive zero axis crossings. Consequently
(4)

and t2 - t1 = T = n2B/T0 (n = an integer), is the time displacement without error that
results when

The time displacement with error, t, , is (see Appendix B):
(5)
The time displacement error )t, is therefore:

(6)

As an example illustrating the dependency of the rms time displacement error on Wx (T)
and T, consider a spectral density function that is constant from zero frequency to an
upper limit Tc and falls at a rate of 12 db per octave. This characteristic might, for
example, describe a tape recorder without servo speed control, except that in practice Wx
(T) is not constant down to zero frequency. If the total power of the speed variation is x
maintained constant at ×2 units, then:

(7)
where Tc is the 3 db cutoff frequency and k1 = 6.2. A plot of the normalized rms time
displacement error

as a function of T with Tc as a parameter appears in Figure 3 and is sketched in Fig. 2a.
)tn is the normalized value of )t. From the figure it is seen that the normalized rms time
displacement error ) increases linearly with T with a slope of +1 up to a break point of
T = 2/Tc and then increases linearly with T with a slope of +1/2. In practice, this
characteristic may not increase with T but may tend to flatten due to the fall-off of
Wx (T) at low frequencies.
The effect of a servo tape speed control system (see Ref. 4) is to cause Wx (T) to cut off
at a low frequency, TL, and may be written

(8)

therefore:

(9)

For T >> 2/TL, the second member on the right side of (9) becomes small compared to
the first because of the presence of the cos TT factor. Consequently,
(10)
For Tc >> TL :

This expression is similar to that obtained by Chao (Ref. 2). In the example of Figure 4,
TL = 2B (100 Hz) and ) = 2.82 x 10-2 which is the value obtained from direct integration.
For a pure sinusoidal modulation of the signal as sketched in Figure 2c

(11)
where the subscript m denotes the modulating signal. 2m is arbitrary. Then

(12)
where M = aT0/Tm = FM modulation index.
As before, the magnitude of T is always adjusted so that the average value of )2 will be
zero; i.e.,

The observed fluctuation in zero crossing position will be represented by the reduced
phase. Therefore
(13)
When T = n/fm (n an integer), there will be no observed jitter.
When T … n/fm , )2 (observed) depends on t1 , t2 , and 2m.
Since 2m will in general assume a different independent value for each sample (i.e., for
each sweep),

(14)

Equation 14 generates the curve of Figure 2c.
It is interesting to note that the )-T curve provides a method for measuring the FM
modulation index where the carrier center frequency is known. The method could of
course be applied to other than sinusoidal modulation functions and other than rms
measurements.

To avoid ambiguity (i.e., overlapping of the zero crossing excursion) in the presence of
) sine wave modulation
(15)
This constant can be relaxed by use of a counter as in Figure 1b.
)-T Measurement Instrumentation
Two methods of )-T measurement mentioned previously are described. The first
requires general-purpose laboratory-type instruments, such as an oscilloscope having
delayed sweep capability. In the second method a special-purpose test instrument is used.
A block diagram of the measurement set-up of the oscilloscope method is shown in
Figure 1a. A recorded precision reference frequency is used to trigger the delay sweep B
of the oscilloscope. After a delay T the A sweep is triggered and the zero crossing of the
playback signal may be photographed using a multiple exposure (Figure 5). The
calibration of the oscilloscope is such that an accuracy of one part in 20,000 is obtained
for the repeatability of the delayed sweep. For relatively small values of T, high recorded
frequencies are used until ambiguity in measurements results. At this point the measured
frequency is shifted to a lower value. The advantage of this technique is that generally
available test equipment can be used. The disadvantage on the other hand is that it is
difficult to obtain an accurate estimation of time delay error from a photograph.
In the second method a special-purpose test instrument is used. Its configuration is
shown in Figure 1b. A typical )-T measurement is performed as follows: The first zero
crossing of the recorded signal after initiation of measurement starts a digital variable
time delay T. A precision reference clock is gated through a chain of binary dividers into
a decade divider which constitutes the time delay generator proper. The desired time
delay T, selected in multiples of full cycles of the reference frequency, is decoded in a
decoding matrix. At the end of the time delay, the same crystal reference is gated into a
binary counter until the next zero crossing of the recorded signal is detected. The
detection of the zero crossing stops the pulses into the counter. The binary numbers
stored in the counter at this time thus contain information about the position of the zero
crossings with respect to the zero crossing that initiated the time delay. The output of the
counter is transferred to a holding register after each measurement. The digital value of
each measurement is converted to analog form in an A/D converter. The output of the
converter drives an rms meter where after proper calibration, the rms value of ) can be
read directly. The meter method of obtaining rms values of ) becomes less attractive for
large values of T (of the order of 0.5 sec or less), with respect to the time constant of the

meter. In these cases it was found that an amplitude distribution analyzer,1 capable of
accepting digital, inputs can be effectively used. With this technique additional
information about the statistical properties of the time displacement errors is readily
obtained and displayed. A typical plot of the output of the amplitude distribution
analyzer for a single value of T, is shown in Figure 6a. The rms value of the
measurement can be obtained by integrating the area under the curve of Figure 6a, and
determining the 1F point (assuming the error distribution is Gaussian). The
implementation of this technique is illustrated in Figure 6b.
Experimental Results
Typical )-T curves obtained experimentally with the analyzer are presented in Figures
7a and 7b.
Figure 7a represents a typical measurement for a high-mass capstan intermediate band
unit in good mechanical condition running at 7-1/2 ips. A 60 Hz servo signal is used to
maintain speed lock. The curve clearly indicates the 2 Hz frequency response limitation
of this servo. The asymptote of the curve varies typically by a factor of 2 or more,
depending on the type and condition of a transport.
Figure 7b illustrates )-T results for a wideband low-mass capstan transport utilizing the
100 kHz reference signal and 300 Hz servo system. A drastic reduction in the value of )
can be noticed (factor of 25 or more) since all measurements were performed at the same
speed. This figure also illustrates that best overall results are obtained when a signal is
recorded on a high-mass unit and played back on a low-mass machine.
Conclusion
The )-T function can be shown to bear a relatively simple relationship to realistic flutter
spectra and offers promise as a general testing method for tape units suitable for field as
well as laboratory application.
Use of )-T measurement method should become more popular as time-division
multiplexed systems find a much wider application, since measurements of flutter alone
provide only an indirect measurement of significant quantities for time division
multiplex systems. In addition to the applications discussed, the same basic approach can
be used to measure ITDE and tape speed error (using standard test tapes).

1

In this case a modified Technical Measurements Corp. Model CAT 1000.

Figure 1a. Oscilloscope Method for making )-T Measurements

Figure 1b. )-T Analyzer

Figure 2. Sketches of )-T Curves and Corresponding Spectra

Figure 3. Normalized RMS Time Displacement Error vs. Sampling
Period for Low-Pass Butterworth Filter

Figure 4. Normalized RMS Time Displacement Error vs. Sampling
Period for Band-Pass Butterworth Filter

Figure 5. Typical )-T Measurement Display

Figure 6a. Amplitude Distribution Histogram

Figure 6b. Cumulative Amplitude Distribution

Figure 7a. )-T Curve for High-Mass Tape Unit

Figure 7b. )-T Curve for Low-Mass Tape Unit

APPENDIX A

1.1 To express effect of noise on zero crossing jitter (high signal-to-noise ratio:1

To express effect of noise in radians:

1.2 Since the observed jitter results from noise affecting both the synch in the delaying
sweep and the observed zero crossings the observed jitter will be greater than that above
by a fact of %2.

1.3 For an rms jitter of 22E,

1

This useful approximation is due to A. M. Demmerie, formerly of GSFC but now on the staff of
the staff of Division of Computer Research and Technology, National Institutes of Health.

1.4 For good accuracy, tape unit jitter should be at least 3 times noise jitter, or S/N $ 18
db.
APPENDIX B
The time displacement error, )t, may be related to the random variable x by:
(B-1)

where x is assumed to be a stationary Gaussian process with zero mean. The mean square
ensemble average of )t is:

The ensemble of integrals may be replaced by the integral of the ensemble of the random
variable x Ref. 5 :
(B-2)

By the ergodic hypothesis, the ensemble average may be replaced by the time average
denoted by ()t2)
(B-3)

The time average (x(>) x(0)) is the autocorrelation function of the random process x:
(B-4)
The autocorrelation function may be related to the spectral density function Wx (T) of x
by:
(B-5)

Therefore:
(B-6)

However:

(B-7)

where:
(B-8)

The time displacement, te, in (B-8) is expressed in terms of an error-free value T plus a
small perturbation

Therefore:

Consequently:
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Summary To improve the performance of tape recorders operating under severe
vibration, acceleration, and shock environments, two new flutter reduction design
concepts have been developed:
1.

Capstan servoing during the recording process to servo out flutter before it is
recorded.

2.

A new reel drive system in which the reels are coupled together to minimize tape
tension variations and eliminate the possibility of throwing a tape loop.

Test data on a prototype spaceborne recorder has proven the validity of the concept. The
prototype has shown a capability to reduce flutter by factors ranging from 3 to 10 over
conventional high-environrnent recorders.
Typical flutter performance figures on the prototype (which accommodates 600 feet of
0.25" wide tape and operates at 30 ips) are:
0.36% p/p to 5000 Hz - on the bench
1.8% p/p to 5000 Hz - under environment (20 g rms random vibration)
Time displacement errors (TDE) are
± 3 microseconds - on the bench
± 6 microseconds - under environment (20 g rms random vibration)
Introduction Flutter performance in magnetic tape recorders has long been
recognized as the single most significant operating characteristic. By definition, flutter in
a magnetic tape recorder is a variation between the instantaneous velocity of the tape and

its nominal specified velocity. Flutter is normally defined by most recorder
manufacturers in either or both of the following terms:
1.

Cumulative p/p flutter for a given frequency spectrum; and/or

2.

Time Displacement Error (TDE)

Where flutter is specified in peak-to-peak cumulative terms, there are two primary and
two secondary factors which must be specified. The two primary factors are the
amplitude and the frequency spectrum. The two secondary factors are the attenuation of
the filter utilized to measure the frequency spectrum and the percentage of time for
which the amplitude measurement is valid. Typically, for the filter, 18 db per octave
attenuation is almost universally used as a criteria, although quite often it is not
specified. For the percentage of time that the amplitude measurement is valid, the
statistical sigma limits are normally used and have the following significance
Random peaks which are outside the specified limits and occur less than a given
percentage of the time are excluded from the measurements.
Sigma
1
2
3

Limit Time Percentage
32 %
5 %
0.3%

The conventional way to measure flutter is to record a constant frequency reference on
the magnetic tape and then reproduce the reference and feed it into a discriminator tuned
to the original reference frequency. Any output from the discriminator represents a
frequency deviation and likewise a speed deviation in the magnetic tape. The speed
deviations are referred to as flutter amplitude and the rate of these deviations as the
frequency spectrum of the flutter. A typical flutter record obtained on a high-quality
instrumentation recorder through this technique is shown in Fig. 1. A typical
manufacturer’s specification for flutter performance in a high-quality instrumentation
recorder is illustrated in Fig. 2.
The second method of specifying flutter, Time Displacement Error, is important in many
digital data recording applications and also on certain sophisticated analog applications.
This parameter (TDE) specifies the actual position the tape is in with respect to its
theoretical position, if it were moving at a constant velocity. Typically, in most
specifications, it is given in terms of microseconds at a given tape speed. It is also
sometimes referred to in microinches. A sigma time limit should also be attached to the
specified TDE value.

Flutter is recognized by magnetic tape recorder users as a critical performance
characteristic because it:
(a)

Generates both amplitude and frequency distortion in analogtype recording, and

(b)

Generates bit jitter in digital recording and TDE in analog.

Technical Discussion In recent years, ground station-type magnetic tape recorders
have come a long way with respect to achieving ultra-low flutter performance.
Sophisticated high-response servos for the capstans and reel servos to provide constant
tape tension have almost reduced flutter to the theoretical limit. Typically, in a highquality instrumentation recorder operating at a tape speed of 60 ips, cumulative p/p
flutter will run 0.25% p/p for a flutter bandwidth of 0.2 to 10,000 Hz using a filter
attenuation rate of 18 db per octave and applying the 2 sigma time criteria. For the same
conditions, the time base error typically will run ±2 microseconds on a 2 sigma basis.
The use of these sophisticated type ground tape recorders, along with electronic flutter
compensation techniques, makes it possible to reproduce magnetic tapes which
originated on recorders having very poor flutter characteristics and still achieve
relatively good data. However, as flutter bandwidth increases, it becomes increasingly
more difficult for even the most sophisticated ground station to significantly reduce the
effect of flutter on data accuracy. Hence, in many applications, it is necessary or more
economical to reduce the flutter at its source, if possible. There are many applications
where the original data must be recorded under conditions which are a long way from the
ideal laboratory conditions. Further, in a number of these applications, it is not possible
to telemeter the data out, such as in certain ballistic reentry situations, and on-board tape
recording in a space or airborne vehicle must be employed. In these applications, special
problems arise with respect to the on-board recorder in achieving good flutter
performance. In these applications, vibration, shock, and acceleration are the principal
enemies of low-flutter performance. An increase in flutter by a factor of 10 is not
uncommon, even in recorders which are specifically designed to operate under severe
environments. Under static environment, the main sources of flutter in a recorder are
motor and bearing torque pulsations and pitch line variations due to runouts of pulleys,
belts, and idlers. Under a dynamic environment, relative motion of the various elements
of the tape recorder system due to acceleration forces introduces additional velocity
variations. Relative motion between the head and its mount, between rotating elements
and their bearing supports, and tape and belt deflections from their mean path, are typical
of the sources of flutter due to a dynamic environment. Reduction of flutter due to these
sources lies in reducing the relative displacements of the various elements with respect to
the recording head to a minimum.

Consider the case of some of the elements of a tape recorder being set into sinusoidal
vibration at a rate fc Hz and a maximum amplitude Xm in a given plane or degree of
freedom. Such motion can be expressed as
(1)
If this motion is introduced as a variation in the velocity of the tape as it passes over the
recording head, there will be a change in the nominal velocity between the two of
(2)
As an example, suppose there exists a 10 microinch peak (20 microinches p/p) vibration
in some element such as the capstan, which transmits directly to the tape. If the vibration
is at 2,000 Hz, which is the upper limit of most vibration specifications, the maximum
velocity will then be about 0.125 ips. For a tape speed of 30 ips, this constitutes a peak
variation of approximately 0.4% due only to vibration of this element. Thus, this motion,
which is the equivalent of half a wavelength of yellow light, will result in 0.8% p/p
(approximately 0.3% rms) flutter.
From the foregoing, it can be seen that even a micro amount of high frequency
displacement can result in significant tape speed variation (flutter).
A tape Flutter versus Vibration Nomograph is included as Fig. 3.
Referring to the Nomograph, it can be seen that the flutter due to dynamic environments
can be minimized by keeping the tape speed as high as possible and the resonant
frequency and/or displacement rates of the principal mechanical elements as low as
possible.
In order to minimize the effect of a dynamic environment on a magnetic tape recorder,
the following approaches are normally employed:
(1)

Stiffen and lighten all mechanical elements which affect tape motion.
The design concepts employed to stiffen and lighten the mechanical elements
which affect tape motion are covered in more detail in Appendix A, “Design
Concepts Which Reduce Flutter in a Tape Recorder Operating In a Dynamic
Environment”.

(2)

Isolate the recorder from high-frequency vibration
To provide maximum isolation from vibration, isolators should have the lowest
possible resonant frequency. At the same time, the isolators must be compatible

with the shock and acceleration requirements and the available “sway” space. The
vibration isolators must, in the available “sway” space, be able to take the shock
and acceleration requirements without “bottoming out”. A “bottoming out”
condition obviously eliminates the desired function of vibration isolation.
Typically, in an actual application, the conditions which would normally cause
“bottoming out” of a relatively soft mount represents the time when the data
collection is usually the most important. This is a condition which normally cannot
be tested in an environmental laboratory since acceleration and vibration must be
applied simultaneously. Equipment can show up quite well under either an
acceleration or a vibration test and in actual practice operate very poorly when
subjected to both environments simultaneously.
In the typical application, the environment (shock and acceleration) and the
available “sway” space are given. This information, with the mass of the recorder,
determines the isolators which can be used and their resonant frequency. Since
vibrations at frequencies above the resonance of the isolators are not transferred
into the recorder, the goal is to make the lowest resonance frequency in the
recorder higher than the isolator resonance.
(3)

Locate the magnetic heads as close to the capstan as possible
A design layout which permits locating the magnetic heads extremely close to the
capstan is illustrated in Fig. 7. It is important to recognize that locating the heads
immediately adjacent to the capstan is, for all practical purposes, as good as
locating the heads directly on the capstan. This is true because dynamic tensions in
the magnetic tape as it comes in contact with the capstan are maintained over the
arc in which the two are in contact. The non-slip relationship between the tape and
capstan maintains these localized stresses which results in micro dimensional
variations in the tape - the equivalent of flutter. Hence, even though the capstan
rotates with absolutely zero flutter, flutter would be present in the tape on the
capstan. This condition is illustrated in Fig. 6.

Employing all of the foregoing techniques and using the best possible design practices
still leaves a lot in the way of desired flutter performance under severe environmental
conditions. This is particularly true when the recorder is also called upon to reproduce
the data, as well as to record it.
In an effort to make a significant step forward in low-flutter, high-environment
recorders, a development program was undertaken which, in addition to using the
previously described flutter-reducing techniques, involved the following two new
recorder concepts:

(1)

Capstan servoing during the recording process to servo out flutter before it is
recorded.

(2)

A new reel drive system in which the reels are coupled together to minimize tape
tension variations and eliminate the possibility of throwing a tape loop.

Flutter during the record mode is servoed out through the use of a precision reference
frequency prerecorded on a separate track on the tape. Prerecording can be accomplished
with the recorder operating under bench conditions or on a high-quality instrumentationtype laboratory recorder. The concept is illustrated in a system functional block diagram,
Fig. 8. Referring to the block diagram, the system operates in the following manner:
(1)

A precision reference frequency is recorded on tape track 3.

(2)

During operation of the recorder, the prerecorded precision reference frequency on
track 3 is being reproduced at the same time and in the same head stack used for
recording tracks 1, 2, and 4.

(3)

While recording on tracks 1, 2, and 4, the reproduced reference frequency being
reproduced on track 3 is utilized for servo control of the capstan motor. The
precision reference frequency that is being reproduced from the tape is compared
with an on-board crystal reference frequency. Phase and frequency differences
between the two signals are utilized by the servo to control the the DC servo motor
whose shaft is used without any intermediary mechanical couplings, etc. , as the
capstan. Servoing at rates as high as 250 Hz is achieved through its extremely high
torque to low rotor mass ratio.

(4)

Optimum servo performance is achieved by locating the record head stack, which
also includes the playback track for the prerecorded reference frequency, as close
to the capstan as possible. Referring to Fig. 7, it can be seen that the head gap can
be located very close to the capstan - e.g., 0.122". By virtue of this proximity, it is
essentially the equivalent of having the record head stack directly on the capstan.
This, as previously discussed, is due to tension variations in the tape as it comes in
contact with the capstan. Reference Fig. 6. The tension and coefficient of friction
between the tape and capstan do not permit tape slippage which would equalize
the stresses and result in a uniform strain in the tape section in contact with the
capstan. Thus, even though the capstan shaft were to rotate at an absolutely
uniform angular velocity and with no runout, flutter would be present in the tape.

(5)

During the recording process, the on-board crystal reference frequency is also
recorded on track 2 of the tape. This tone is used during reproduce to further servo
out any remaining tape speed irregularities which occurred during the recording

process and are occurring during the reproducing process. This, in effect, permits
the servo to have two opportunities to reduce the flutter.
Achieving constant tape speed and constant tension across the head area is the purpose
of any tape handling mechanism. Most conventional transports do not achieve the latter
because while the torque in the supply and takeup reels is essentially constant, the tape
pack diameter change s; hence, the tension in the tape as it leaves the reel varies
inversely as the diameter of the tape pack. Dynamic environments further compound the
problem inasmuch as the torque on the supply and takeup reels can no longer be held
constant.
The low-flutter, high-environment recorder developed in this program used the IsoElastic* Drive System. This drive system employs an endless Mylar belt to peripherally
drive the tape packs. This belt, in turn, is frictionally engaged by two interposed
differential capstans. The difference in velocity between the two capstans results in a
constant tension between the tape packs and across the head area. Since the tension is
only determined by a constant difference in speed between the capstans, it is independent
of angular velocity variations of the tape packs. Although this drive system is also
affected by a dynamic environment since the belt is, is effect, a stiff spring, it does have
the advantage of (1) low mass, (2) provides constant tape tension between reels, (3)
simplicity, and (4) a stiff mechanical coupling between the two reels. Coupling the reels
together makes it virtually impossible to throw a tape loop even under the most severe
environments. Further, under normal conditions, the Iso-Elastic Drive provides constant
tape tension independent of the amount of tape on either reel.
Various physical aspects of the recorder which resulted from the development program
are shown in Figs. 4, 5, and 9.
Although the prototype recorder is still undergoing evaluation, sufficient test data is
available which more than adequately confirms the merit of the original concept. The
prototype recorder was designed to operate at 30 ips and have a tape capacity of 600' x
0.25" x 1.1 mil tape (0.92 base, 0.18 mil oxide). The power requirement is 28 ± 4 V dc
with a peak power consumption of less than 40 watts. The recorder was designed to
record two channels of direct-type data in the bandwidth 350 Hz to 120 kHz ± 3 db. The
recording capability, however, could be readily converted-to other types of analog or
digital recording. Total weight of the recorder was less than 12 pounds. The
environmental capabilities were:

*

“New Concept in High Reliability Recorders for Spaceborne Data Storage:, by D. L. Burdorf,
Vice President and Director of Engineering, Kinelogic Corporation

Temperature:
Altitude:
Vibration:
Sine Wave:
Random:
Acceleration:

-20EC to + 60EC
Satellite or deep space
5 g peak, 20 to 2000 Hz
20 g rms, 3 cut-off.
20 g

Measured performance is shown in the following table:

*18 db/ octave Filter and 2 F time limit f or p/ p wide band flutter measurements, 2 F
time limit for TDE measurements.
For a given flutter amplitude, TDE is inversely proportional to flutter frequency. Hence,
the magnitude of the TDE is principally determined by the low frequency flutter
components. Since the capstan servo can be optimized for any given bandwidth, the TDE
can be minimized at the expense of high-frequency flutter - this accounts for the two
TDEs given in the preceding table.
The flutter attenuation performance of the servo was measured and found to exhibit the
characteristics shown in Fig. 1 . From this data, it can be seen that the servo attenuated
the flutter 74 db at 1 Hz, 43 db at 10 Hz, and 6 db at 100 Hz.
The mechanical transport was designed with a sandwich-type construction using duplex
bearing pairs at each end of all rotating shafts. Every effort was made to achieve rigidity

of construction of all elements in order to reduce flutter caused by vibration. Flutter tests
made during vibration with the transport hard-mounted to the shake table showed the
lowest mechanical resonance to be 900 Hz.
An isolation mount was chosen with a resonant frequency of 90 Hz and an amplification
of 3 at resonance. This was the softest mount possible with the available sway space
between the transport and the case. Maximum flutter under vibration conditions occurred
during sine wave vibration at 130 Hz due to a torsional mount resonance at that
frequency, caused by a slight unbalance in mount loading. It is expected that redesign of
the mount could eliminate this torsional resonance and a further reduction in flutter
could be obtained.

Figure 1 - Typical Flutter Record for Model CH Recorder

Figure 2 - Typical Flutter Performance Data

Figure 3 - TAPE FLUTTER versus VIBRATION NOMOGRAPH

Figure 4 - Sandwich Design Concept used in the
Kinelogic Model CH Recorder

Figure 5 - Vibration Isolators used in the Model CH Recorder

Figure 6 - DYNAMIC TENSION EFFECTS on Tape on the Capstan

Figure 7 - Capstan and Head Layout

Figure 8 - Model on Recorder System Functional Block Diagram

Figure 9 - DC Servo Motor and Associated Optical Tachometer

Figure 10 - Flutter Attenuation Characteristics

Figure 11 - Model CH Recorder
APPENDIX A
Design Concepts Which Reduce Flutter In A Tape Recorder Operating In A Dynamic
Environment
Rotating Components Rotating components present the most difficult problem in
reducing displacements. The drive capstan or capstans are the most difficult of the
rotating elements. Since the capstan is the element which establishes tape speed, any
displacement of the capstan relative to the recording head will usually show up directly
as flutter. However, to establish constant tape motion under static conditions, it is
normally necessary to add inertia to the capstan shaft to attenuate torsional disturbances

generated by motors or bearings. Hence, it would appear that a set of conflicting
requirements arises since mass is required to obtain inertia, but absence of mass is
necessary to reduce displacement.
The bearings to support the rotating components for use in a dynamic environment must
have low friction variation under dynamic load, as well as maximum stiffness. These
requirements rule out all bearings except ball bearings for miniature, low-power
recorders. The bearing in effect acts as a spring coupling between the supporting
structure and the rotating element. Generally, shafts and other elements can be designed
to be relatively stiff compared to ball bearing supports. Applying ball bearings to obtain
maximum stiffness of support requires consideration of elastic deformation versus load
relationships in bearings.
For a typical angular contact bearing

(1)

It can be seen that the deflection increases as the 2/3 power of the load. This gives a
typical free bearing deflection versus load curve as shown in Fig. 1.
Providing preloading by means of duplexed bearings shifts the noload running point up
along the curve, such as to the 2 lb. preload point shown. The resulting no-load stiffness
is now twice the stiffness (due to 2 bearings in series) of a single bearing at the 2 lb. load
point, resulting in the load versus deflection curve shown for the duplexed pair.
Adding more preload would further increase the stiffness; however, running friction will
also increase and mill be a limitation in low-power recorders. Addition of more bearings
will also increase stiffness of the bearing support. Referring to Equation 2, the bearing
deflection is inversely proportional to the ball diameter to the 1/3 power. If, for any
given bearing O. D. , the number of balls can be increased by reducing ball diameter, an
increase in stiffness will result, as deflection varies inversely as the number of balls.

(2)

Bearing supports should be located at either end of the rotating mass to be supported
instead of using a cantilevered arrangement. This allows each supporting bearing to take
an equal part of the load and provides maximum stiffness.
Care must be taken to maintain alignment of the two sections as misalignment will give
the same effect as runout.
Tape and Belts Unsupported lengths of tape and belts will generally have low
resonances and must be kept as short as possible. The behavior of an unsupported length
of tape or belt will be similar to a vibrating string, and the frequency in vibration per
second can be expressed as
(3)

Substituting in Equation 3 gives an unsupported tape length of L = .428 inch

Higher tape tension increases this value as the square root; thus, doubling the tension
only increases L to 0.606 inches.
If we assume an unsupported tape length of one inch, vibrating with a peak-to-peak
amplitude of 0.030 inch, the arc length at the peak of the cycle will be 0.001" longer than
the chord length. This is typical amplitude of vibration for such a length. This 0.1%
change in tape length causes tension and velocity which will result in tape flutter.
Reduction of the effects of vibration on tape and belts can be accomplished by
(a)
(b)

(c)
(d)

reducing unsupported length to a minimum
providing support or guiding by means of fixed supports with large radius area.
This will eliminate unsupported length with low sliding friction because of the
small tape wrap around the large radius.
increasing tension
vary unsupported lengths to shift resonant frequencies eliminating effects from
adding. Where long unsupported lengths cannot be eliminated, such as between an
almost empty reel and the first roller, isolation of the resonance disturbances from
the recording head area must be introduced.

Conclusions Although the foregoing is only a synopsis of the major considerations
involved in the design of miniature high-environment tape recorders, it serves to point
out the complexity of the problem. A thorough understanding and analysis of the
problems, however, permits optimization of the bearings, materials, shaft dimensions,
location of mass, etc.

Appendix A - Figure 1 - Ball Bearing Deflection Underload
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