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COMPUTER IMAGE MANIPULATION FOR RESTORATION
AND ENHANCEMENT*
H. C. ANDREWS
Department of Electrical Engineering
University of Southern California.

Summary This paper briefly outlines a few ideas involved in the use of the versatility
of high speed digital computers for natural photographic quality image restoration and
enhancement. The subject of image digitization is briefly mentioned followed by three
models for image restoration. The linear shift invariant (isoplanatic) model relies on a
rich body of knowledge in the form of two dimensional linear systems theory. While the
linear isoplanatic model is useful for a variety of degradating phenomena, the linear
anisoplanatic and nonlinear models often provide further insight into specialized
phenomena. Image restor ation may often be followed by enhancement techniques which
focus on image manipulations for presentation purposes. The psychophysics of vision
play a major role in the development of this aspect as do heuristic techniques which tend
to focus on known but often unexplainable human viewing responses. Examples from
certain nonlinear enhancement processes are presented.
Introduction The advent of high speed general purpose digital computers has reached
the stage where it is becoming feasible to perform mathematical or algorithmic processes
on images of natural photographic quality. From an analysis viewpoint an image is
nothing more than a two dimensional function whose variation in grey scale describe
pictorial information. Because man has been somewhat successful in analyzing one
dimensional signals with computational techniques, it is not unreasonable to expect that,
due to the disproportionately large role that the eye plays in human experiences, there
will undoubtedly be an increasing use of computers for manipulation of such natural
images. However in the context of a communication system, the human viewing
mechanism has yet to lend itself to a viable model for analysis purposes. Thus a proper
fidelity criterion for optimum telemetry and communication systems is not readily
available. In fact if we attempt to borrow from one dimensional processes, we
immediately see that the prevelant mean square error fidelity criterion is definitely a poor
choice for the viewing process. While the optimum distortion measure has yet to be
found for the two dimensional imaging process, the power of both linear and nonlinear
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mathematical operations afforded by the computer has provided for image manipulation
independent of that knowledge.
Traditionally the computer has been used to “restore” an image to its original quality
according to some mathematical manipulation which is intended to invert some physical
degradation phenomenon experienced in the formation of the image in the first place.
Thus the concept of image restortation is one of attempting to recover losses suffered in
the optical imaging system due to a variety of degradations which can be modeled from
the very simple to the extremely complex. On the other hand, the computer can be used
to “improve” the quality of an image without recourse to knowledge of degradating
phenomena resulting in the concept of image enhancement. Both mathematical and
heuristic techniques are utilized in this process with major emphasis upon the “viewing”
of the image for extraction of information which may have not been so readily apparent
in the pre-enhanced original.
A Priori Correction It, of course, goes without stating, that any a priori image quality
improvement should be attempted to minimize computational restoration and
enhancement complexity a posteriori (after the image has been formed). Such a priori
techniques range from using optimurn focus, exposure, camera adjustments, chemical
developments etc. to the more sophisticated ideas of shutter modulation techniques [1]
and binary mask aperture [2] for imaging with the minimization of atmospheric and other
degradations. However often a priori conditions are not controllable and/or degradations
still exist. It then becomes necessary to enlist the power of the computer for restoration
processes.
Digitization Process One of the immediate requirements for computer image
processing is a high resolution input output mechanism for scanning and displaying
quality images. Various systems exist for such I/O operations and it is not the objective
here to survey the available devices. However, if the image is modeled as a two
dimensional function i(x, y) $ 0 where x, y are integers ranging from 1 to N then a
square matrix of N2 numbers can be used to represent the image. The resolution of the
image in the computer should be on the order of 256 x 256 or larger and a power of 2 for
computational convenience. Typically the digitization process can be envisioned as a
two dimensional sampling procedure where uniformity of samples and quantization
noise play a major role. Concisely stated, the digitization and display processes are far
from linear and introduce degradation (hopefully known) which must be compensated
for.
Image Restoration-Linear Shift Invariant Phenomena Probably the simplest
mathematical model for the image process is given by a two-dimensional linear system

where the image, i(x, y), is the output of a linear system whose input was an object
o(x, y). The object suffers degradation introduced by a systems response h(. ) such that
(1)
h(xi, yi, x0, y0) is also known as the point spread function and for isoplanatic systems
becomes
(2)
Thus the image is the two dimensional convolution of the object and a point spread
function. Ideally it is desirable that the point spread function be a dirac delta function in
which case the image equals the object. In fact, such is not the case and the power of
linear systems theory can be brought to bear on the problem of restoring the image to as
close a representation of the object as is possible. Thus for isoplanatic degradating
phenomena such as defocus, certain linear motion, simple spherical aberrations, certain
atmospheric degradation, and additive noise the mathematical tools are available for
computer correction of such processes. Inverse and linear least square filters are typically
employed for image restoration with gradients, Laplacians, and higher order spatial
derivatives often being useful approximants. Finally, it is pos sible, within the linear
theory to investigate resolving beyond the diffraction limit utilizing the tools of analytic
continuation and extrapolation.
Image Restoration-Linear Shift Varying Phenomena For more complicated process,
the anisoplanatic model may be more relevant in which case the point spread functions
h(xi, yi, x0, y0), is different at each point in the two dimensional plane. Consequently our
convolution equation is invalid and we must revert to equation (1) for our model and
integral equation definition. Phenomena describable under these assumptions include
geometric distortion correction, nonuniform and turbulent atmosphere, nonlinear motion
degradation, coma, tilt in cylindrical lenses and others too numerous to enumerate. Often
it is possible to find nonlinear transformations that map the image into a space in which
linear systems theory can then be utilized to correct for the degradation allowing an
inverse nonlinear transformation to describe the restored image [3]. High speed
computational techniques become quite significant for these processes.
Image Restoration-Nonlinear Model Possibly a more relevant model for certain
imaging situations is that of a multiplicative process in which the image is assumed to be
comprised of the product of an illumination function and a reflected function [4]. The
power of homorphic filtering can then be enlisted to separate the processes and filter
multiplicative noise in the traditional linear systems technique. The procedure is similar
to that suggested for linearizing certain coma and motion phenomena but is historically
older.

Image Enhancement-Psychophysics of Vision While the computer can be used quite
successfully to “restore” images due to some correctly modelled degradating
phenomenon, its power does not stop here. Specifically, it is possible to model the
human viewing process such that an optimum display is computed for the human as a
communication sink. While work is still quite limited in this area, certain combinations
of logarithmic, linear, and exponential processes seem to provide more pleasing viewing
than would normally be expected. Indeed if a viable fidelity criterion could be developed
for the human eye, then all the powers of information and communication theory could
be directed toward optimal use of that channel between the computer image and man.
Image Enhancement-Heuristics Heuristic techniques, for lack of a better description,
have been developed for improving the quality of images with some success. Unsharp
masking [5], contrast enhancement, and crispening have all been utilized in computer
image processing. Most such techniques are linear and shift invariant and therefore fit
well into the linear filter theory but are not necessarily designed to correct for a specific
degradation. Simply stated, the eye appears to respond well to high spatial frequencies
which is what these techniques tend to emphasize. In addition some nonlinear averaging
combined with thresholding [6] can be utilized in an anisoplanatic filter for local region
correction and variation. One particularly exciting technique which aids the human in
viewing computer processed images is the use of pseudo color. It is possible to use the
large dynamic range of human response to color as a tool in increasing the effective
dynamic range of monochrome images where a human has a typically limited dynamic
response. Thus pseudo color is the use of color in displaying black and white images.
Typically gray scales close together are displayed in colors far apart thus emphasizing
subtle gradations in image intensity. Other techniques include the use of spatial filtering
and pseudo color to emphasize high spatial frequency information in one color and
intermediate and low spatial frequencies in other colors. Needless to say, the results are
striking.
Two other techniques for increasing the effective dynamic range of gray scale images
include the removal of most significant bits in the intensity values of the image and in a
histogram equalization process [7]. Figure 1 is an example of the former procedure
where the wheels of the tank are made more readily apparent by removing the most two
significant bits of the gray scales. The technique is quite common in digital image
processing facilities for getting a quick idea of what is contained in an image plane.
Figure 2 is another example in which the histogram equalization procedure is
demonstrated. Specifically a histogram of gray levels is a form of the original image. The
image is then requantized to be as uniform in gray levels as possible. The technique can
be interpreted as providing an equalization of energy for the viewer under the (possible
erroneous) assumption that one does not like a heavily dark or light image. The results in

the figure indeed demonstrate that the tank behind the cheesecloth is more readily
apparent in the equalized process.
Conclusion This paper has casually discussed some of the applications of the digital
computer to the manipulation of photographic quality images. Basically, image
restortation and enhancement are objectives of such processes, the former being the
correction of degradating phenomena in the image formation, and the latter being the
optimization of images for human observation. While the two approaches have been
presented as separate entities, they, of course, are heavily interactive. Mathematical
models play a heavy role in the restoration process and are useful for describing
enhancement procedures. The simple examples are presented as illustrative of the
techniques of combined computer and image.
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OPERATIONAL PROCESSING OF ITOS SCANNING
RADIOMETER DATA
C. L. BRISTOR, Chief
J. A. LEESE, Deputy Chief
Data Processing and Analysis Division
National Environmental Satellite Service
National Oceanic and Atmospheric Administration
Washington D. C. 20233

Summary The Improved TIROS Operational Satellite (ITOS) System uses a spacecraft
in a sun-synchronous (1500L) polar orbit. A two-channel scanning radiometer on the
spacecraft provides information in the .52- to .73- micrometer visible range and the 10.5to 12.5- micrometer infrared water vapor window. Operational processing of the
scanning radiometer data leads to mapped products and derived products. In the former
the image data are transformed to fit a common type of map projection such as polar
stereographic or mercator. Derived products are the measurements and interpretive type
products obtained from the gridded or mapped imagery. Automated procedures are being
developed to derive quantitative information from mapped image data. Parameters
sought include the sea-surface temperature and cloud top temperature which can be
converted to height. Procedures are also being developed which combine the data from
the two channels to derive quantitative information.
Introduction Emphasis has been placed on the immediate operational use of
environmental satellite date beginning with the launch of TIROS-1 in 1960. Computer
processing of the data from the first series of TIROS satellites was largely confined to
computing perspective grids for geographic references of the television images acquired.
The ability to transform the television images from a perspective view to a standard map
projection (Bristor, Callicott, and Bradford, 1966) in an operational mode marked the
beginning of computer processing of environmental satellite data. The procedures used
for processing data in the TIROS Operational Satellite (TOS) system have been
described by Bristor, 1968. Image products from the TOS data have been described in
various papers (cl. Leese, Booth and Godshall, 1970).
The Improved TIROS Operational Satellite (ITOS) sensor package contains a two
channel Scanning Radiometer (SR) which operates in the .52- to .73- micrometer visible
range and the 10.5- to 12.5- micrometer Infrared (IR) water vapor window. The purpose

of this paper is to describe the system used by the National Environmental Satellite
Service (NESS) for the operational computer processing of the data from the SR.
Description of the ITOS Acquisition System A pictorial description of the ITOS
system data flow is shown in Figure 1. The spacecraft transmits the stored data to the
Command and Data Acquisition (CDA) Stations located at Fairbanks, Alaska, and
Wallops Station, Virginia. Each CDA station retransmits the data to the NESS at
Suitland, Maryland via broadband microwave links. The relayed signal remains in analog
form, and is relayed at the same speed as acquired. Ground-based analog tape recording
facilities at the CDA stations provide for delayed data relay. Sequential relay of visual
and IR data is thereby provided along with the option to retransmit if other problems
develop. The spacecraft also has the capability for direct readout to local users on a
world-wide basis. However, we are concerned here mainly with the acquisition and
processing of the stored data. A complete description of the ITOS spacecraft and orbital
characteristics is given elsewhere (Anon., 1970).
In the scanning radiometer contained in the sensor package on the ITOS spacecraft, a
mirror, rotating at 48 rpm, provides an optical scan perpendicular to the direction of
spacecraft motion. Radiation passes through a beam splitter and spectral filters to
provide data in the visible and IR channels. System optics provide a 5.3 milliradian fieldof-view for the IR detector. It will, therefore it “see” a 6- to 7- km spot at the straight
down view with an orbital altitude of 1450 km. Near the horizon, at a local zenith angle
of 60 degrees, the spot covers about 15 by 21 km. If data from this IR channel are
interpreted in terms of an equivalent black body radiator, the Noise Equivalent
Temperature Difference (NEAT) should range from 1EK for a 300EK scene to 4EK for a
185EK scene. Additional details on the sensor package have been described by Albert
(1970).
Performance specifications for the IR data signals generated by the scanning radiometer
on the ITOS spacecraft and received at NESS include a 36 db peak-to-peak signal to
RMS noise ratio. Converting this signal-to-noise ratio into NEAT produces temperature
sensitivities of about 2 5 degrees at 300EK.
The noise content varies with time; just as important, a possible variation in noise
characteristics results from the use of different combinations of equipment. Reliability is
built into the ITOS system by having alternate paths for the data flow at many points. On
the spacecraft, for example, there are two scanning radiometers and two tape recorders.
Either radiometer can be used with either tape recorder. To achieve complete global
coverage the system switches tape recorders automatically at the time of data readout to
the CDA station.

Evaluations of the system noise content show a range of NEAT from 0.7 to 3.0EC.
Variations in NEAT within one orbit are usually less than 0. 5EC. The major variations
occur between the two tape recorders on the spacecraft although the system noise does
vary from orbit to orbit for a particular tape recorder. The reason for such a wide
variation had not been identified when this was written.
Raw Data Ingestion As the raw scanner signals arrive at Suitland, the on-line
processing is carried out by a Digital Data Handling System (DDHS). Additional
analogue tape buffering option is also provided at the input to this system. A fixed
pattern “porch” injected into the signal as a function of scan shaft phase angle is detected
in order to synchronize (and maintain coherency of) earth scan data. Housekeeping
telemetry frame synchronization is also carried out in order to separate “back scan” data
from earth imaging information.
An earlier paper (Bristor, 1970) describes the logical steps in the ingestion process which
results in the production of the raw digital ingest tape. Other details concerning
extraction of needed housekeeping data and signal quality diagnoses are available only
as manuscript computer ro ram notes and other software documentation.
The data from the earth-view portion of a scan occupy about 108 degrees out of a full
360-degree scan cycle. With a 5.3 milliradian field-of-view the 1250 samples per earth
scan constitute about 3.5 times the minimum sampling rate.
Preprocessing and Signal Conditioning Once the raw ingest data are available on
tape, the computational steps and quantitative utilization of the data can begin. The first
step involves the “normalization” of raw counts to insure strict correspondence with the
prescribed signal voltage range. Prelaunch bench checks yield such count-to-volt curves
for each sensor system. However, the voltage range obtained from the incoming analog
signal involves detector adjustments (frequency limit settings in the case of the FM
discriminator for recorded SR, and amplitude adjustment of the demodulator used for the
detection of direct readout scanner data). A step wedge contained in the back scan for
each 16 -sweep data frame is used for the normalization. Analysis of the ten
(approximate) digital count samples for each of the seven wedge steps results in the
generation of a tablebywhich all raw counts may be transformed (look-up table) into
proper equivalent values as specified in the prelaunch checks. So long as detector
misadjustment does not cause saturation (“clipping”) at either extremity of the response
range, this normalizing procedure will assure meaningful raw count values.
The next step involves the correction for radiometer response as a function of
temperature. A measure of sensor temperature is contained as back scan housekeeping
information within each data frame. Analysis of this information indicates a cyclic
variation of approximately 2EC throughout an orbital period. Prelaunch calibration by

the vendor has, again, provided the voltage-to-temperature (or brightness) response
relationship for each sensor system (Feninger, 1969). The program provides families of
look-up tables for each sensor, thereby converting normalized raw counts into effective
backbody radiative temperature responses (IR), or into calibrated brightness response for
the visual channel.
The final step involves corrections necessary for the interpretation of measurements of
the earth scene. In the case of the IR sensor, correction must be made for atmospheric
attentuation. Smith, et. al. (1970) have provided an algorithm which specified this “limb
darkening” correction as a function of local zenith angle with the assumption that H20
and C02 are the sole absorbing constituents. This algorithm has recently been revised by
Dr. William Smith of the NESS.
For the visual channel, final correction of the brightness response is made as
compensation for differences in solar illumination of the earth scene. After due
consideration of the more sophisticated “three angle” approach (Ruff, et. al., 1966) a
more basic beginning approach was adopted. The algorithm involves a simple function
of solar zenith angle, and the weighting function was generated empirically using an
approach previously applied to geostationary satellite image data (Taylor, 1970).
Earth Location Implicit in the procedure for limb darkening correction and/or
brightness normalization is the need for position information. A companion to these
correction activities is therefore the task of relating each digitized response sample to the
earth scene. The various inputs and the approach is based on the work described by
Bristor, Callicott and Bradford, 1966. Items required for this task, together with brief
explanatory remarks, are summarized in the following numbered paragraphs.
1. Spacecraft position: Basic orbital elements for the ITOS spacecraft are provided by
NASA through the acquisition of tracking information and the combining of these data
with a rather sophisticated orbital model. The orbital elements are then available for use
with a prediction program which provides satellite location as a function of time.
2. Scanner mounting: Obviously the orientation of the scan sweep with respect to the
spacecraft is required; this is determined prior to launch by the mounting and alignment
checks. In addition, the instantaneous position of the mirror within the scan shaft spin
phase cycle is required. Accordingly, the porch response is injected into the signal path
at a prescribed scan shaft angle with respect to the spacecraft base plate.
3. Angular increment: Knowledge of the angular increment through which the scan shaft
turns between adjacent digital response samples is required for the proper deployment of
samples across the earth scan sweep. This, in turn, requires precise knowledge of shaft
spin rate and digital sampling rate.

4. Horizon location: Each scan sweep sample population must additionally be deployed
in synchronism with the earth disk. With the present approach, horizon detection logic is
utilized to detect limbs of the earth disk.
5. Attitude: Although earth oriented, the ITOS sensor platform is a spin stabilized
vehicle. With knowledge of 2, 3 and 4 above, the SR data are used to obtain the right
ascension and declination of the spin vector. In brief, the roll/yaw components of this
vector are determined by obtaining the angle between earth horizon and porch through a
count of the intervening sample population on each scan sweep. The pitch component is
expressed as an error signal between pitch sensor horizon pulses as observed in
comparison with their predicted position as specified in the feedback control mechanism.
6. Time: Linkage whereby scan sweeps are related to orbital positions, is through time.
A 24 bit (1/4 second interval) counter clock on the spacecraft is used for this purpose,
and its output is reported during backscan within each data frame. This relative time is
then related to absolute time as the counter reset command is issued at the CDA station.
With all of the above inputs, the earth location process can be carried out since, at any
particular time, the orientation of the sensing beam is known with respect to a platform
whose position and orientation with respect to the earth are also known.
In order to reduce computation penalty, the earth location linkage is provided through an
open lattice of image points. Briefly, the three dimensional image location element
vector, available at the spacecraft, is converted to an equivalent geocentric vector
through coordinate transformation equations. An earth surface latitude/longitude location
for the sample in question is thereby obtained. Since the original image perspective is to
be transformed to some standard map projection, the computer location is transformed to
an equivalent location on the desired projection. For convenience, map coordinates are
expressed in terms of a fine mesh square overlay grid, suitably oriented and scaled to
approximate the basic resolution of a sensor sample element. The computer logic is
further simplified by using scanner line number and sample number intervals in binary
steps for the open lattice calculations. The resulting “bench point” calculations for the
SR data are made for every eighth line and 32nd sample.
In terms of computational efficiency, this image mapping input has drawbacks. With
highly overlapped raw data samples, an obvious population surplus exists if the mapping
process merely replots samples into a non-overlapped square mesh map array. In
addition, a square mesh overlay on a map, which is not an equal area projection, cannot
uniformly equate mesh size to basic sensor sampling resolution. The result is that several
input data samples may compete for map mesh locations in certain portions of the map.
(A square mesh sector on a polar stereographic map encompasses four times the acerage
at the pole as does a similar square near the equator. ) An alternate approach (Roth,

1969) starts with the map mesh coordinates and computes the input data scan line and
sample number for the most elegible input sample to be mapped into that location. Only
the desired input samples are thereby unpacked and replotted. Because of evolutionary
software investments, the first method described above has been retained, but with
amendments aimed at minimizing the mentioned penalties.
Mapping and Gridding SR data are mapped in polar stereographic form on a global
basis each day. A tropical belt covering the full 3600 longitudinal span is also mapped in
Mercator format. Several sections are also mapped with finer mesh so as to retain the
maximum volume of input samples for special applications. The mapping algorithm may
be summarized in the following steps.
1. A bench point earth locator array is read into the computer and the limits of the
equivalent fine mesh map array are calculated.
2. The specified sector of the map image array is transferred from dedicated disk storage
into main computer memory.
3. Calibrated input scan data, potentially available for mapping, is also brought into
main memory.
4. Using scan line and sample number designators, the location in the map array for a
sample is computed from the bench point array. Taking advantage of the rectangular
binary population organization, this linear interpolation logic is accomplished entirely
through binary shift and add logic and without need for more costly multiply
instructions.
5. Candidate samples are thus re-plotted in the map mesh array until input sampling is
exhausted.
6. The resulting mapped imagery is replaced in disk memory where it becomes available
as a source for display and other more quantitative information extraction operations.
Global Polar Mosaics The fine mesh polar stereographic arrays have been aligned
with the conventional Numerical Weather Prediction (NWP) grid so that derived
products may be conveniently adapted to that application. By subdividing each coarse
mesh length into 32 segments, one obtains a 2048 x 2048 array with a four mile mesh
size near the equator. Unfortunately, the map distortion factor doubles this mesh length
distance at the pole. An example for the Northern Hemisphere is shown in Fig. 2. Two
such arrays provide global coverage. With a 2048 x 4096 vertical rectangle formed by
placing the Northern Hemisphere above the Southern Hemisphere, the mesh arrays are
aligned such that the grid line between the poles coincides with the 80EW meridian. The

present polar mapping program on the CDC 6600 requires 12 minutes of central
processor time (22 minutes, wall clock) for each pole-to-pole hemispheric swath of input
data. Nearly 100,000 (60-bit) words of high speed central memory are required, and the
dedicated disk area for storage of the global map array is over 1.3 million (60-bit) words.
As an economic expedient, the 2048 x 2048 arrays are used in mapping both SR
channels even though, in the case of visual channel data, the spatial resolution is
substantially coarsened. In order to alleviate inefficiencies in input sample handling, a
skipping procedure is used so that map addresses are calculated only for a sample
population commensurate with the map array.
Mercator Mapping The overlapped SR Mercator mapping for tropic and subtropic
applications is similarly mapped at a common, coarser resolution. The orthogonal square
mesh in this case is aligned parallel to the equator and with the right-most column at the
Greenwich meridian. The overall area covers the full earth circumference and extends
from 40EN to 40ES latitude.
The mesh size is 11.25 per degree of geocentric arc at the equater, for a spatial resolution
of about 5.3 n. mi. per mesh in the tropics; however with this projection, spatial
resolution improves at the higher latitude extremities.
Limited Map Sectors with Augmented Resolution Economics achieved through the
coarsening of the mesh in the mapping described above render the data base useful
primarily for meso-or macroscale applications. Certain sectors are therefore mapped at
higher resolution for specialized requirements using certain “universal” features of the
basic mapper software. Such sectors can be produced with considerable flexibility.
With mesh size set at 64 per NWP mesh (less than 4 n. mi. resolution at the poles), array
size set at 896 x 512 elements, and center latitude/ longitude coordinates selected, IR
data are presently being mapped at optimum resolution for the sector shown in Figure 3.
Attributes of the display are described in the following section. Another sector of similar
size and scale is produced for the U. S. area (contiguous 48 states). Other finer mesh
limited sectors can be produced. One small area has been mapped using 128 mesh for
each NWP mesh in conjunction with experimental midwest tornado applications.
Another Mercator sector, 24 degrees of latitude by 24 degrees of longitude is available at
higher resolution with selectable center Point location for hurricane analysis
applications.
Individual Sectors Mapped on an Orbital Pass Basis Apart from the polar and
Mercator mapped image mosaics produced by the methods described above, there has

been strong pressure to obtain mapped imagery with minimum delay. Accordingly, polar
mapped sectors are now being mapped on a “pass-by-pass” basis.
The principal customer is the recipient of image products sent via facsimile, and so
alignment of the image sector must be arranged so as to most efficiently use the recorder
display area. Accordingly, the map mesh is rotated so that the node longitude of the input
data approximates the center axis of the map rectangle as shown in Figure 4. With
calibrated sample response truncated to displayable response range, this auxilliary
mapping program needs far less frequent input/output service. The computing time for
the sector shown is thereby reduced to 2.8 minutes of central processor time and 4
minutes wall clock time.
Sectors as shown may be produced either from stored or directly transmitted SR data. At
present, such data are being mapped in this fashion from 5 to 6 passes each day. This
information is received from the Wallops Island CDA station and from the APT
receivers at San Francisco and Honolulu.
Earth Locator Grids in the Prespective of Unmapped SR Imagery Since image
data mapping places greater dependence on computer resources, unmapped imagery has
continued to fill a need. Despite the awkardness caused by variable perspective, gridded
strips of vidicon pictures, with all of the basic spatial resolution, have been one of the
most reliable and most quickly available products. Although pass-bypass mapped SR
products are expected to fill much of this requirement, there likely will be continued
interest in imagery displayed in the perspective and retaining all of the basic spatial
resolution of the original received signal. With extreme foreshortening in the east-west
direction, such SR imagery requires earth locator gridding as a melded part of the image.
By a rearrangement of the equations for bench point earth locations, one obtains image
line and spot coordinates corresponding to integer latitude/longitude points. By selecting
an adequate population of such computed points (and interpolating filler points),
latitude/longitude lines can be produced and melded with the unmapped images. Such
orbital strips are projected as replacements for similar gridded vidicon strip mosaics,
once vidicon data acquisition is discontinued.
Earth Location Precision In general, the earth location of image data through the
processes described above can be regarded as a direct function of the accuracy of the
various input parameters. That is to say, the precision with which calculations are made
(generally 60-bit floating point precision), and the realism involved in any
parameterization, (for example, use of an oblate earth model in transforming spacecraft
related position vectors to geocentric coordinates), causes the question of position
accuracy to rest primarily on the precision of orbital position determination and the
accuracy of other input items. Based upon present evidence it is estimated that most SR

imagery is being located with an accuracy of about 10 n. mi. or better near and along the
orbital track. In the foreshortened scan regions, this range of error may double.
Equivalent earth location figures for vidicon imagery from ESSA spacecraft (used in the
TOS system) have been quoted as 30 and 60 n. mi. It is believed that SR location figures
are better for these reasons:
a. Absolute time is obtainable for SR data frames, while ESSA vidicon picture times
were deduced from an accumulation of spin rotations of a spacecraft undergoing cyclic
spin up aild damping accelerations.
b. Horizon scan sensors for attitude determination on ESSA spacecraft provided less
frequent and lower quality observations for limited sectors of each orbital pass.
c. Scanner geometry is less complex than the equivalent twodimensional distortion
pattern needed for the conversion of vidicon image X, Y locations into orthogonal angle
components in object space.
Products In the case of visual products, a photofacsimile recorder provides the source
for imagery distributed for local real time use and for non-realtime mail distribution.
Display capability from digital source material is available in 2500 and 5000 line modes
using a nominal 10 inch negative size. Six-bit (64 level) display samples serve as input.
Other visual products are distributed to standard 18 inch weather facsimile recorders.
Again, a digital image tape provides the source, and display scan sample populations are
converted to analog facsimile scan signals through an encoder device. More than 40
image product transmissions are made on a daily schedule. Sample populations are
limited to 1710 per scan line and are normally displayed at 96 samples per inch (line-toline and sample-to-sample). Only 16 levels are provided by the 4-bit encoder sample
size.
Display products are also formatted for receipt by Automatic Picture Transmission
(APT) receivers, again using the facsimile encoder in an alternate mode. The samples are
4-bit bytes, but the display is restricted to an 800 x 800 array. The standard APT recorder
provides an 8 inch square hardcopy. Quality is intermediate to that provided by the
above mentioned photo and facsimile recorders. These products are relayed to ground
network APT recorders and to radio receiver APT stations via geostationary spacecraft
(ATS-1 and ATS-3) relay.
All of the display products discussed above are obtained as simple byproducts of the
image mapping operation. The SR data are providing the means for generating more
quantitative products. While such processing is designed for more quantitative
applications, these derived products may also be displayed. One current effort involves

the generation of mapped cloud distribution in three dimensions using the IR mapped
data (DeCotiis and Conlan, 1971). Vertical profiles of temperature in the atmosphere are
obtained from an objective analysis of conventional observations. These
temperature/height estimates are used to classify the SR radiative temperature responses
mapped within each NWP square in terms of low, middle and high for the cloud top
level. Apart from contoured visual display, such processing provides percent cloud cover
estimates in digital format for each NWP square population. In addition to operational
use, extended records of such information can also be used in a variety of synoptic
climatological applicat ions.
The generation of sea-surface temperature is another important new application. The
problem in this case involves the elimination of cloud contamination. Adjustments to the
basic method (Smith, et. al., 1970) are described by Leese, et. al., 1971 a, 1971 b. The
error in measuring the sea-surface temperature is a function of noise filtering
(smoothing) and tests which exclude sectors with heavy cloud contamination. Using the
current operational algorithm, overall sea-surface temperature products are estimated to
have an RMS deviation of 1.5EC from available if ground truth” data. Such production
can be used directly as input to NWP models and as surface reference in the utilization of
indirect sounding radiance data.
The IR data are also being projected as tools in sea and lake ice reconnaisance. Mapped
imagery, with extreme enhancement in the critical ice /water temperature zone, provides
a tactical support tool, and digital output from such sectors mapped at higher spatial
resolutions provides a data base for more quantitative treatment.
A variety of developmental activities are proceeding, but without current operational
production. The following are among those now active.
1. Multi-day compositing of mapped SR image data is expected to have application in
Hydrology as indicated by earlier efforts using TOS vidicon data (McClain and Baker,
1969).
2. Semi-objective estimates of mean moisture in the troposphere are presently being
obtained from mapped vidicon data through the efforts of a skilled analyst (Smigielski
and Mace, 1970). The additional cloud height discrimination provided by the IR data
should substantially improve the demonstrated skill in such activities, As concurrent
visual and IR data become available in mapped form, an earlier computer automation
effort in this area will be revived.
3. A great potential also appears to exist in the quantitative and objective description of
tropical cloud systems. Over the years, cloud imagery has proven to be of substantial
value in classification of hurricanes and in their categorization in terms of maximum

wind intensity (Fritz, Hubert and Timchalk, 1963). Hopefully, the more quantitative SR
data, expressed in terms of automatically produced “descriptions”, can enhance such
skills.
Outlook The immediate need is to expand SR data utilization to the three full global
coverages available each day - daytime IR and visual, as well as nighttime IR. The semiindependent new information available from coincident IR and visual data will lead to a
substantial improvement and expansion in the derived product line. Ambiguities in seasurface temperatures, which can arise in areas of uniform low overcast cloudiness, will
likely be resolved in many cases. Similarly, the three dimensional cloud distribution
effort would be improved. It is also appealing to apply the two-channel data to the
problems of global energetics. Past efforts in this area have used lower resolution
radiometers for the determination of global patterns in total earth/space energy flux
(Winston, 1967) and attempts are underway to explore SR data in this area.
Current experiments in the operational mapping of digitized weather radar data offer yet
another application possibility (Booth, 1971) Mapped afternoon IB responses may
provide a more quantitative means of assessing the importance of cloud systems
involved in the development of severe local storms such as tornados.
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Fig. 1. Depiction of ITOS Spacecraft and Data - Handling System.

Fig. 2. Polar Mosaic of ITOS-IR Data, May 24, 1971.

Fig. 3. Sector of ITOS-IR Data Mapped at 64 per NWP mesh.

Fig. 4. ITOS-IR Data Mapped in a Pass-by-Pass Format.
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Summary This paper describes the implementation of a data compression system for
the real time operational transmission of advanced technology satellite (ATS) pictures
between the command and data acquisition (CDA) station located at Wallops Island,
Virginia and the National Environmental Satellite Service (NESS) at Suitland, Maryland
over broadband microwave links. The system features the use of general purpose
minicomputers for encoding and decoding which makes it possible to easily vary the data
compression technique in use and to make simultaneous statistical calculations on the
data. Special interfaces to the pre-existing equipment have been designed to insure
efficient use of the parallel structure of the computers. Data compression and expansion
is done in a way that results in no lowering of data quality.
Introduction In many applications technology has created the ability to generate ever
increasing amounts of data. With the generation of this data comes the increased cost of
transmission in proportion to the greater channel capacity required. Data compression is
a highly promising technique which can be applied to reduce the increased capacity
requirements through more efficient coding of source data. Such techniques have been
studied for the last ten or fifteen years but as yet have had little impact on actual
operational situations due, at least in part, to the increased hardware complexity, lack of
appreciation by operational people, and reluctance on the part of users to allow their data
to be subjected to any more manipulation than is absolutely necessary. The time has
come, however, where the economics necessitate the acceptance of data compression.
This paper describes one important application to an operational situation.
In recent years the ability has been created to generate large quantities of earthobservational data and to apply sophisticated processing to that data for many purposes.
Principal among these are meteorological observations for the many aspects of weather
prediction and their obvious economic benefits. The use of satellites to acquire images of
the earth on an operational basis has dramatically increased the amount of data involved

in weather prediction. These data are transmitted from various CDA stations to a central
location for computer processing. No processing capability exists at the CDA stations.
The particular link used for the data compression setup described in this paper is
between the CDA station at Wallops Island, Virginia and NESS at Suitland, Maryland.
The trend of future developments in this area is clear. Both the quantity and quality of
this data will increase. The imminent development of the Synchronous Meteorological
Satellite (SMS) will involve much more frequent and higher resolution data than is now
possible, Thus, it is apparent that the channel capacity needed to transmit the data will
also increase in a commensurate fashion.
With these high data rates, data compression provides a method for significant economic
savings in transmission costs. Basically, data compression in this application is based on
the fact that data from TV pictures of the earth have a significant amount of redundancy
from one resolution element to the next. Nevertheless, since it is not known, a priori,
where the redundancy will exist within the picture, the data transmission system without
data compression is generally designed as if no redundancy exists. In effect the system
transmits each resolution element independently. Data compression techniques involve
the processing of the picture data to remove redundancy prior to transmission so that a
reduced quantity of data is transmitted. Upon reception, processing reinserts the
redundancy to reporduce the original image.
Because of the potentiality of data compression, a feasibility study was initiated by the
University of Southern California in coordination with and under contract to NASA
Goddard Spaceflight Center with the cooperation of NESS. Theoretical studies
complemented by empirical studies based on taped digital data verified that data
compression could be applied at a significant economic savings to ATS video data. A
more detailed description of the data, and the equipment and compression techniques
developed are described in the succeeding sections.
Description of the Data Source The data source for this application is either ATS 1 or
3. The ATS image line rate is determined by the spin rate of the spacecraft, nominally
600 milliseconds. The data processed is from the ATS spin scan camera which sweeps
one image line per revolution. A full earth image takes about 20 minutes. Since the ATS
1 and 3 spacecraft are in synchronous orbit, the earth subtends an angle of 18 degrees or
1/20 of a revolution. The video data comes from a photomultiplier tube in the spin scan
camera which sees, then, the earth for only 30 msec. per scan line. The data is
transmitted in analog form to the CDA station where it is digitized for transmission to
the central processing location. A special synchronizing circuit provides a pulse to
indicate when the A/D converter should begin to operate for the 30 msec. of useful data
for each 600 msec. period.

The sampling rate and digital resolution depends upon the user requirements and the
transmission capability. Nominal characteristics are 4096 samples per line with 6 bits of
resolution.
Data Compression Objective The goal set for the data compression system is to attain
a minimum reduction in transmission rate (compression ratio) of two to one with six bits
per sample resolution and no error or eight bits per sample resolution with a maximum of
one quantization level error. The data compression system in this paper is capable of
meeting these goals.
Data Compression Technique The data compression algorithm can be varied within
wide limits because the encoding and decoding is done by general purpose computers
which can be programmed to use whatever algorithm the user desires. The essential
limitation is the computational time available since this is a real time application. From
statistical studies the following algorithm was found to be effective and meet the design
goals. The algorithm forms the successive sample-to-sample differences and encodes the
differences up to some maximum magnitude using a variable length code. When the
difference exceeds the maximum magnitude, the sample value itself is sent with an
appropriate prefix to distinguish this from a difference code word. The code words are
chosen by using the Shannon-Fano encoding procedure with empirical frequencies for
the relative probabilities. In particular, zero difference is encoded by a single “one” bit.
The above procedure was found to result in a code whose efficiency is greater than 90%.
The codes are characterized by leading zeros, the exact number of which determines each
code word’s length. This can be used to simplify the decoding as is discussed
subsequently.
When redundancy is removed, the data quality becomes more sensitive to channel errors.
To combat this effect controlled redundancy is added in the form of synchronization
words. In addition to the usual line synch, data synch words are periodically inserted in
the encoded data after each fixed number of encoded samples. Following
synchronization the actual sample value is sent rather than the sample difference to
eliminate any built up error.
Because variable length encoding is used for transmission over a fixed rate channel, a
buffer must be provided to hold the encoded data prior to transmission.
Data Compression Equipment Configuration Figure 1 is a block diagram of the
implemented system which should be referred to in connection with the following
discussion.

The CDA station at Wallops Island has the following data compression system elements:
1.

An analog-to-digital converter connected to the pre-existing equipment just prior
to analog-to-digital conversion.

2.

A core memory input cycle stealing channel to interface the A/D, using the
existing line and frame synch information to an:

3.

Interdata model 4 computer with 16K (8 bit) bytes of core memory,

4.

An ASR 33 teletype,

5.

A 2. 5 megabyte disc storage device,

6.

A 9 track digital tape drive,

7.

A transmission channel interface with a core memory output cycle stealing
channel.

8.

Test circuits to allow maintenance checks to be made under simulated operational
conditions.

Items 5 or 6 may transfer data in blocks which are mutually exclusive with each block
transfer initiated by the CPU. Items 1, 7 and the 5/6 pair may transfer data
simultaneously by cycle stealing memory accesses from the computer central processing
unit (CPU).
All coding operations including the insertion of synchronization words are done in
software. For completeness the programming library includes the capability of operating
in a “straight through” mode, i. e. , the data is 6 bit gray coded with every other 6 bit
word inverted as was done in the pre-existing equipment.
The magnetic tape device is not an operational requirement but is used for studies of
recorded data. The same is true of the magnetic tape at Suitland, described subsequently.
The NESS processing station at Suitland has the following compression system
elements:
1.

Input to core memory cycle stealing channel connected to the existing receiver
which:
(a) accepts serial data and data clock from the receiver output at Suitland.

(b) examines the data serially for a line synch word of 32 bits.
(c) examines serial data for a data synch word of length 16 bits.
(d) compares the Hamming distance between data and the synch words of b and c
to a threshold for b and for c. A Hamming distance which is below the
threshold indicates when a synch word has been found.
(e) has a 16 bit counter to indicate the time a synch word is found. This time of
occurrence counter is advanced by the serial data bit clock.
(f) has a decoder to recognize the variable prefix of zeros as described previously
and places the decoded prefix length in core memory along with the remaining
data bits. This is done to take advantage of the CPU parallel processing
capability. However,
(i) the hardware decoder need not be used so that the data is placed into
core memory unaltered at the programmer’s option. In addition,
(ii) if used, the hardware decoder is forced to accept the first bit of a prefix
following each data synch word.
(iii) a code word consisting of a single bit (denoting zero sample-to-sample
change) is handled differently than other code words. A run length not
exceeding 256 is stored in core memory to conserve buffer storage and
CPU processing time.
The input channel is interfaced with an:
2.
3.
4.
5.
6.

Interdata model 4 computer with 16K bytes of memory.
An ASR 33 teletype.
A 2. 5 megabyte disc buffer device.
A 9 track digital tape drive.
A serial data output core memory cycle stealing channel which has:
(a) a test mode which shifts out serially each byte from core,
(b) a standard output mode for the Suitland equipment which converts each eight
bit byte to a six bit word, converts each 6 bit word from binary to gray code,
and complements every other 6 bit gray code word before serially shifting the
data to the Suitland video input.
(c) the possibility of stopping the shifting out of data for a variable number of bit
times at the end of each video image line.

The magnetic tape drive or the disc transfer data in blocks of bytes by cycle stealing from
the CPU. However both units cannot operate simultaneously. The serial input and output
channels can operate through a daisy chain priority with the tape or disc at the same time
by cycle stealing from the CPU.

Refer to the block diagram to see that the data compression equipment can be switched
out of the system at Wallops Island and the data expansion system likewise at Suitland.
This is necessary to insure that important storm data is not lost in the event of a
compression system equipment breakdown. The data compression system can operate
without compressing to provide a backup for the pre-existing equipment and to allow
testing the data compression equipment and techniques.
Data Compression System Operation At Wallops Island the compression equipment
waits for a beginning of image frame pulse to start operations. The operator can enter the
number of lines to be processed, the number of samples to be taken per line, the
transmission channel serial bit rate, and logging information such as satellite, day of the
year, etc. from the teletype. When the frame synch pulse is received each line is sampled
nominally 4096 times to 8 bits of resolution. The video data is stored in core and the
compression algorithm is started. Each image line is compressed within 300 msec. using
the current algorithm and put on the disc for buffering. An algorithm is used to determine
when to start moving the buffered data from the disc back to core memory and on out
over the output channel. Once all the image data has been processed by the input A/D
channel in the Wallops compression system the channel is shut down until the next frame
start is given. The output channel continues to deliver data from the disc buffer till the
image has been completely transmitted.
The data compression experiment equipment located at Suitland, Maryland, is
programmed to continuously scan the serial input data stream for both a 32 and a 16 bit
synch word. The first 32 bit synch is used as a frame synch and is followed by a second
32 bit line synch word. Then the data arrives. Every N compressed image samples a 16
bit data synch word is sent to insure that word sync is maintained on the variable length
code words. The size of N depends on the error rate of the phone line communication
link. An algorithm is used to determine the best N at Suitland by monitering the error
rate found in the known synch words. The code data is partially decoded by hardware. A
software algorithm completes the data reconstruction using the CPU and places the data
on the disc buffer. An additional software algorithm keeps track of the buffer load and
indicates, when appropriate, the transfer of data from the disc buffer to the Suitland
serial image data input. This process continues until the appropriate number of image
lines have been received, whereupon the input reconstruction channel stops placing data
in core memory to be processed. The disc buffer still contains some image data to be
spooled off to the Suitland image data input, and this operation on the output channel is
continued till the disc buffer is empty.
Operating System Consideration It is necessary to store enough data in the Wallops
Island buffer before initiating transmission to avoid underflow but not so much as to
cause overflow. It is also undesirable to wait too long before transmitting the data to
Suitland since the data is desired in near real time to permit tornado storm warnings to be

issued. At the Suitland end the buffer problems are similar to those at Wallops Island and
again one could delay the data to the user. An additional consideration is that enough
time must be left between images to permit the data users to set up their equipment for
the start of each image.
Conclusion A real time data compression capability is fast becoming a necessity in
many operational situations. This paper describes one highly flexible data compression
system for an important application which halves the transmission rate requirement with
no loss in data quality.

Figure 1. Data Compression System.

DIGITAL FILTERING TECHNIQUES FOR X-RAY IMAGE
ENHANCEMENT
E. L. HALL
Departments of Electrical Engineering and Radiology
University of Missouri-Columbia

Summary Image enhancement techniques are designed to improve image quality for
human viewing and are especially important in X-ray imaging systems since radiation
levels must be minimized. Recursive spatial digital filtering and gray level transform
enhancement techniques which may be implemented with small memory requirements
and fast computation times will be described. A comparison of computations shows that
this method is competitive with fast transform methods in terms of the number of
computations and advantageous in terms of memory requirements. The most common
method for evaluating enhancement results is subjective human evaluation. An
experimental comparison of subjective evaluations and some objective measurements for
a series of chest X-rays illustrate the evaluation problem and a possible solution.
Introduction An X-ray image is produced by permitting an X-ray source to penetrate
an object and expose a photographic film. The intensity of exposure at a particular point
on the film depends primarily on the object density and the source-object-film geometry.
The X-ray tube has a finite focal spot which limits resolution. Also, phosphor
intensifying screens are employed to hasten film exposure.
The information content of a radiograph depends upon the absorption characteristics of
the object, which are determined by the thickness, density, and material properties of the
object exposed at a selected X-ray energy level. The resolution of a radiographic
recording system depends primarily upon the X-ray focal spot size [1], the speed of the
image intensifier screen(s) used [2], object scatter and motion, and the object-film
distance. X-ray image contrast is affected primarily by kilovoltage rating, and in a
secondary way by object scatter. In addition, the random effect of quantum mottle,
resulting from spatial changes in X-ray illumination, adds independent noise to the
image. Provided that the combination of milliamperage and the source-object distance is
adjusted so that sufficient film exposure is available and object-film distance is
minimized, the image contrast and resolution depends primarily on the kilovoltage and
focal spot size, respectively.

In general radiographs are characterized by their low resolution and low contrast ratios
of small features superimposed onto uniform backgrounds. Digital techniques for image
enhancement have been used by several researchers [3-5]; however, further
developments in on-line digital enhancement and methods for evaluation enhanced
images are necessary in many applications.
The purpose of this paper is to describe recursive spatial digital filtering and gray level
transformation techniques for image enhancement and illustrate an approach to the
problem of objectively evaluating image enhancement results.
First, a distribution linearization technique for contrast enhancement will be described.
Next, spatial digital filtering by recursive partial difference equations will be considered.
Finally, a theoretical and experimental evaluation of the quality of several processed
chest X-rays will be described.
Distribution Linearization Because image digitalization requires that each gray level
value be quantized over a finite range (e.g., 6 bits/ picture element), a histogram of the
gray level distribution values may be easily computed.
The gray level histogram (first order probability density function) of most images
exhibits a brightness peak which is heavily biased to the dark side of the histogram. The
digital representation of the radiographs in this paper have 256 X 256 squared brightness
values over a 33 X 33 squared centimeter face, with a sampling frequency in either
dimension of .78 lines/mm. The effect of having a large percentage of the 65536 picture
elements (pixels) concentrated into such a narrow portion of the histogram is an image
with little visible detail. Many contrast ratios that define edges are simply not
displayable. One technique frequently used to correct this is the position invariant,
nonlinear application of a software or hardware logarithmic conversion of the brightness
pixels. Because a more rectangular histogram is advantageous, a position invariant,
nonlinear histogram equalization technique, as described in (6) is useful. Figure 2 is the
result of linearizing the distribution of the image shown in Figure 1. Also, Figure 7 is the
result of linearizing the distribution of the image shown in Figure 5.
Recursive Spatial Digital Filtering Spatial frequency domain filtering, performed
either digitally, optically, or electronically, is a useful technique in several image
processing applications. The usefulness is exemplified by the many applications which
include image enhancement, restoration, template matching, and noise filtering. Digital
filtering techniques avoid optical bench and electronic drift requirements but require
image digitization, storage and computation availability.
Figure 8 is the magnitude of the Fourier transform space of the image shown in Figure 1.
The center value (zero frequency coefficient) contains the image d.c. level (average

image gray level). The higher energy, lower frequency components, radially surrounding
the center, contain much of the image contrast information. The low energy, higher
frequency coefficients are primarily responsible for image edge information. The
transform of Figure 8 is indicative of most two-dimensional Fourier transforms. The
sampling frequency in this example is .78 R/mm over a square image. Thus the maximum
frequency on both axes is .39 R/mm.
The dichotemy of the spatial frequency domain information is clearly illustrated by low
pass and high pass spatial filtering as shown in Figures 2 and 3. The low pass filtered
image contains the overall contrast information while the high pass filtered image
contains the edge and detail information. A filter which is useful for image enhancement
is a high frequency emphasis filter.
The cross section of a Butterworth high frequency emphasis filter is shown in Figure 9.
Note that the filter retains some contrast information while emphasizing the higher
spatial frequencies. At normal viewing distances, the high emphasis frequency response
matches the response of the human visual system. A high emphasis filtered image
computed via the fast Fourier transform (FFT) with an isotropic filter is shown in Figure
5. The versatility of the FFT and economy of computations makes the method ideally
suited for spatial filtering design experiments; however, for a large class of image
enhancement situations, a large computer or array processor is not available or
economically feasible; for example, on-line medical X-ray imaging for clinical diagnosis
or industrial X-ray imaging for quality control. As will be shown, the recursive spatial
digital filter is suited to these applications.
The three basic computational algorithms for implementing spatial frequency domain
digital filters are based on direct convolution, the fast Fourier transform, and recursive
partial difference equations.
The general form of the digital imaging computation is shown in Figure 10, and given
by:

Assuming that the system is causal, that is, f(nX,mY) = 0 and g(nX,my) = 0 for n,m < 0,
one may use the shifting theorems of the ZW-transform to develop the transfer function
for the system. Therefore, assuming bOO = 1:

A method used to describe the recursive filter operation is a flow diagram, as shown in
Figure 11. The input and output image arrays are indicated by small circles. Lines
connect certain image points to a summing junction. Coefficient multiplication is
indicated by the lower case letter next to a line. Note that the diagram clearly indicates
that each output array value is a linear combination of previous and present inputs and
previous outputs.
Most image input devices are sequential rather than random access. For example, a
scanning system or digital tape produces or stores data in a point-by-point, line-by-line
manner. The only internal memory storage requirement is space for the filter input and
output buffers which would consist of (L1 L2 + K1 K2) locations. A method for shifting
the data for each row point and each column point is also necessary. An arithmetic unit
which computes the additions and multiplications and accumulates the sum is also
required. Finally, the output may be stored on another sequential device, such as a tape
or disk file. Since the filter computation is simple and requires only a small number of
memory locations, it is ideal for small computer image processing applications.
The three computational algorithms will now be compared. Although each method is
defined by a convolution relation, the actual convolution computation for each method is
different. The normal convolution computation produces an aperiodic, equal point
convolution. The FFT method produces a periodic full range convolution. The recursive
equation produces an aperiodic, variable range convolution. Thus, a comparison of the
three methods is somewhat complicated.
The core memory requirements for the three methods will also be compared.
The first computational method, aperiodic convolution, is described by:

where g1(nX,mY) is the filter output and f(nX,mY) is the filter input, which is defined
for:

and h1(iX,jY) is the filter point spread function, which is non-zero for:

and zero, otherwise. Usually, the filter point spread function is much smaller than the
image frame, i.e.:

The number of computations required for filtering an N1 x N2 point image is
approximately:

real operations where a real operation is defined as a real multiplication and addition.
The periodic convolution which is equivalent to FFT transform multiplication and
inverse transformation is given by:

where

The modulus expressions indicate the periodic or “wrap around” nature of FFT
equivalent convolution. Also note that the computation is over the entire frame. The
number of computations using an FFT algorithm for computing a transform is
proportional to 2N1 N2 log2N1N2 complex operations where a complex operation is
defined as a complex multiplication and addition. Therefore, if the filter operation
consists of computing the transforms of the input function, point-by-point multiplication
of the input by a filter transform, and inverse transforming the result, the number of
computations required is approximately:

The final computational algorithm produces an equivalent convolution of the form:

If the output image frame was computed by the above equation, the number of
computation required would be:

However, the recursive filter computation requires only

real operations.
In order to compare the three algorithms one must assume equal impulse responses. It is
useful to consider two cases corresponding to small and large non-zero convolution
areas. For simplicity, one may assume square areas, i.e.:

Case 1. Small Convolution Area
Suppose the filter responses are equal, i.e.:

and the convolution area is small, i.e.
h(nX,mY) = 0 for n,m >M
The number of computations by direct convolution is:
NC1 = M2N2 real operations
while the number of computations for FFT filtering is:
NC2 = N2 {8log2 N+1} complex operations
Finally, the number of computations for the recursive equation is:
NC3 = (K2+ L2)N2

However, since the impulse response has been constrained to be finite, the filter has
essentially been constrained to be non-recursive, thus:
K=M
L=0
Thus, for this case, the direct convolution and non-recursive filter are identical and the
computation trade-off is simply the well-known comparison between direct convolution
and the FFT. [7]
Case 2. Large Convolution Area
Again assume the filter responses are equal, but suppose the nonzero response is large,
i.e.:
h(nX,mY) … 0 for n,m # N
For this case, the number of computation required by direct convolution is:
NC1 = 4
while the FFT requires:
NC2 = N2 {8 log2 N+l}
However, the number of computations required for the recursive filter is still:
NC3 = (K2 + L2)N2
For large values of N, clearly NC2 and NC3 will be much smaller than NC1. Thus, the
main comparison is between the M and recursive filter. Using the conservative estimate
that one complex operation is equivalent to two real operations permits one to develop
the situation in which recursive filters are advantageous as:

If K = 1 and N = 256, the above equation requires K2 < 65.
Thus, a recursive filter with 32 feed forward and 32 feed back coefficients would still be
advantageous. Therefore, for the case in which the convolution area is large, both the
FFT and the recursive filter are much faster than direct convolution. Furthermore, since

K2 and L2 may not increase as fast as log2 N, the recursive filter is at least competitive
and may have a computation advantage over the FFT.
It is useful to note that both the FFT and the recursive filter compute a different
convolution than the aperiodic convolution. However, the “growing” type response is
usually not as bothersome in image processing as a periodic “wrap-around”.
The amount of core memory required to perform a computation is also an important
consideration, especially in real time digital image processing. Both aperiodic
convolution and recursive filters require only a small core memory when they are
computationally advantageous. That is, for the small filter response case, M2 is small.
For the large filter response case, K2 + L2 is also small. Thus, both methods are suitable
for small computers and real time computations. For a single pass FFT computation, a
core memory large enough to accommodate the image array, i.e. N2, is required. Large
array transforms can only be computed in real time with a large computer or a special
purpose FFT processor.
Evaluation of Enhanced Images The most effective method of comparing images at
present is subjective human evaluation. However, the inconsistencies encountered
motivate the search for a more objective measure.
An experimental comparison of subjective evaluations of radiologists and bioengineers
and several objective measures of quality will now be described. The comparison
illustrates the differences in subjective evaluations by groups of observers and illustrates
the amount of agreement between objective and subjective evaluations.
The method of evaluating image quality is dependent on the processing application. For
an image communications application, the ideal image is assumed transmitted and a
degraded image is received. Rate distortion theory provides a theoretical solution to this
evaluating problem in that a weighted square error distortion measure may be selected
and a bound on the number of bits/picture element necessary to satisfy the distortion
level may be determined.
Spectacular examples of image enhancement and restoration are frequently encountered.
For example, features which are barely visible in an original image may be easily visible
in an enhanced image. Similarly a blurred image may be sharpened by spatial restoration
filtering. However, the more general enhancement and restoration problems present a
difficult evaluation problem. The difficulty is due to the lack of a standard reference
image. For example, an original image is presented and some improvement is desired but
the ideal improvement is not known.

Several factors influence subjective image evaluation. Contrast information is important
not only in the number and linearity of distinguishable gray levels but also in the overall
contrast ratio. The distinguishability of objects depends on the contrast levels in the
objects, the frequency content of the object, and the frequency response of the human
visual system.[8,9] Resolution is a measure of the number of distinguishable spatial
regions in an image frame, and provides an upper bound on system performance.
However, acuity or sharpness in an image is related to rendition of objects much larger
than those barely visible. Sharp edge rendition on large objects may be an expected or
learned performance. Noise effects are also important. Finally, it is possible that the HVS
response is not isotropic.
These factors affect human subjective evaluation and may be studied individually.
However, the overall effect of these factors on subjective evaluation is a complex
psycho-physical relationship that is not understood. For the experimental comparison,
evaluator groups of five radiologists and five bioengineers were asked to rate a series of
processed images on a 0 to 100 scale. The average rating for each group is shown in
Figure 12. Note that the abscissa numbering corresponds to the image number in Figures
1-7. The two groups agree on most of the images but differ noticeably on the evaluation
of Figure 7.
The next step in the evaluation procedure consisted of computing objective
measurements on the sample images. Information, correlation, mean square error and
frequency weighted mean square error measurements were computed.
Rosenfeld [10] briefly considered the problem of determining the information content in
an image. To apply information theory to images, he regarded a quantitized digital image
as a set of messages by considering the gray level at each picture element as a
“message.” If there are 2m gray levels, the total amount of information in an n x n digital
image (which is the average amount per element times the number of elements) may be
as high as n2log22m or n2m bit. The actual information content depends on the
probabilities with which the gray levels occur. The difference between potential and
actual information content is called “redundancy.”
Again, consider an n x n digital image for which the gray level at each picture level has
been quantitized to 2m values. Clearly, each picture element should be considered as a
separate experiment, X. That is, the number of separate experiments is N2, and a random
vector with N2 elements and its corresponding probability distribution is needed to
describe the image. This approach is mathematically untractable; therefore, certain
simplifying assumptions must be made.
A great simplification is made if one assumes that the random variables describing each
gray level are independent and identically distributed. A good approximation of the

probability distribution for each point may then be made by computing a histogram of
the gray level values in a sample image.
An entropy measure, H(X), was computed for each image, X, from probability estimates
derived from a 64 gray level histogram for that image. That is, the computation:

was made for each image. The pi were computed by counting the number of points in the
image which had gray level i and normalizing this number by dividing by the total
number of points. The maximum value of H(X), is 6 bits/picture element, and the
minimum value is 0.
During the histogram computation, the actual number of distinguishable gray levels was
also computed. For example, if the image used every gray level in a 6 bit range, then the
image would contain 64 distinguishable levels. The maximum possible number of levels
on the University of Missouri image digitalizer is 1024; however, all levels are seldom
used because of gain adjustments on the film scanner.
If two images of the same scene are registered in the x and y directions, then a simple
measure of how well the images match is easily determined by computing the zero shift
correlation between the two images. If this correlation value is normalized by the
energies of the two images via the Schwarz inequality then the correlation value of 1 will
occur if and only if the image functions are identical to a constant multiple. A correlation
value less than 1 indicates that the image functions are not identical.
Andrews [11] has applied the theory of matched filtering to the problem of evaluating
the quality of an image with respect to a pre- or postprocessed version of the image. A
two-dimensional correlation between images may be made with a matched filter and the
resulting correlation value will be a quantitative measure of the “distance” between the
two images. The height of a correlation peak at the origin is indicative of the degree of
correlation between the two images, and may be used as a measurement for image
evaluation, and evaluation decisions can be based on this parameter. A class of matched
filters, which includes an energy matched filter and a gradient matched filter, have also
been used by Andrews.
A correlation measure, CORR(X,Y), was computed for each image, X, as simply the zero
shift normalized correlation between an original scaled image, X, and a processed image,
Y. Since the images were registered in the x and y directions, respectively, only the zero
shift value was computed. This normalized cross-correlation value is always less than or
equal to one, and is only equal to one when the two images are identical.

Mean square error has been used as a fidelity criteria for some image coding systems
[12] and is believed not to compare well with subjective human evaluation. The use of
frequency weighted mean square error was proposed by Huang [13]; however, no
experimental computations were made.
Let f(x,y) represent the input picture brightness function and g(x,y) represent the output
picture of an image processing system where f and g are defined for all spatial
coordinates (x,y) in a frame or region R.
The error or difference picture is defined as:
e(x,y) = f(x,y) - g(x,y)
Suppose that the Fourier transform of e(x,y) is given by E(u,v) where (u,v) are spatial
frequency coordinates. The mean square error is:

Using Parsevals’ theorem, one may write:

where R2 is the frequency domain of definition of E(u,v).
A weighted mean square error may be defined as:

where W(u,v) is called the weighting function.
Mean error and mean square error were also computed for the sample images. For each
original scaled image, X, and processed image, Y, a difference image, Z = X - Y,. was
computed. The mean, p, and the variance, 0, over all picture elements of Z are directly
related to the mean square error. The total mean square error, MSE, is given by:
MSE = N2(:2+ F2)
where N2 is the total number of picture elements.

For comparison, it is easier to use the mean error :, and the error variance, F2, than total
mean square error, since : and F2 are normalized to the number of bits/picture element.
The frequency weighted function, shown in Figure 9, was used.
For each processed chest X-ray image, entropy, correlation, mean square error, and
frequency weighted mean square error were computed. The processed images are shown
in Figures 1 through 7, while the calculations are shown in Figure 13. The linearized
distribution image was used as the reference image for the correlation and error
calculations.
Note that most of the measurements in Figure 13 maintained the distinction between
high and low frequency information in the images. For example, the entropy measure,
H(X), was much lower for the high pass filtered and high frequency emphasis filtered
images than for the original or low pass filtered images. It is also interesting to note that
the recursive high frequency emphasis filter had a higher correlation with the reference
image than the high emphasis filtered image computed via the FFT. The original scaled
image had the largest mean difference because the filtered images were computed from
the reference image. The error variance was much higher for the high pass filtered image
than for the low pass filtered image, again indicating the difference between low and
high frequency information. Also, the frequency weighted error variance was much
larger than the unweighted error variance for the low pass filtered and contrast enhanced
image, but was only slightly changed for the high pass and frequency emphasized
images. Also, note that the correlation measurement follows a shape similar to the
radiologists evaluation while the entropy and frequency weighted mean square error
follow the same shape as the bioengineers evaluation. Finally, note that the correlation
and mean square error measurements are inversely related.
Conclusions Recursive spatial digital filtering and gray level transformation
techniques for X-ray image enhancement have been described. These techniques may be
implemented with small computer storage requirements and fast computation times and
are therefore suited to on-line, small computer applications. The problem of comparing
enhanced images was also considered and illustrated by an experimental comparison of
subjective and objective evaluations. The comparison illustrated the possible differences
between evaluations and the degree of agreement between subjective evaluation and
several objective measures of image quality.
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Figure 1. Chest radiograph, scaled.

Figure 2. Chest radiograph after
distribution linearization.

Figure 3. Chest radiograph after
low pass filtering

Figure 4. Chest radiograph after
high pass filtering

Figure 5. Chest radiograph after
high emphasis - FFT.

Figure 6. Chest radiograph after
high emphasis - recursive filter

Figure 7. Chest radiograph with high emphasis
and contrast enhancement.

Figure 8. Fourier transform magnitude

Figure 9. Butterworth high frequency emphasis
weighting function with
Nyquist frequency at N = 128.

Figure 10. Spatial filtering by
recursive partial difference equations.

Figure 11. Flow diagram of
recursive filter.

Figure 12. Average subjective
goodness functions.

Figure 13. Computed measurements.

DIGITAL TRANSMISSION OVER THE RC CHANNEL
E. HOFFMAN
Bell Telephone Laboratories
Holmdel, New Jersey

Summary This work evaluates the performance of digital transmission links over a
lumped RC channel when one of three static equalization schemes is utilized:
1.
2.
3.

Use of a Sidelobe Transmitter
Transversal Filter at the Receiver
Frequency Compensation of the Transfer Characteristics to form a rectangular
Nyquist Channel.

The effect on the probability of error of thermal noise and intersymbol interference is
considered. In each of the equalization schemes, the intersymbol interference is reduced
to zero, and the waveshape at the transmitter which maximizes the SNR at the receiver
decision instant is transmitted. It is found that the performance of the Sidelobe
Transmitter and the Transversal Filter Receiver are equal theoretically and that
Frequency Compensation provides the poorest results. The comparisons carried out in
this work have utilized the RC channel as an example. Detailed generalization of the
comparative performance as a function of the impulse response of the channel utilized
would be desirable but cannot be made readily. An analysis of the coaxial line is planned
for the future. The eigenfunctions and corresponding eigenvalues of the system are
required in order to evaluate the optimal performance of the Sidelobe Transmitter and
Transversal Filter Receiver. For arbitrary impulse responses, these eigenfunctions are
usually complex to obtain. However, one is able to state in general that since the
Sidelobe Transmitter or Transversal Filter combined with transmission of the optimum
waveshape represent the best linear filter, their performance will not be inferior to the
Frequency Compensated rectangular Nyquist channel. This follows since frequency
compensation networks fall into the class of linear filters.
1. Sidelobe Transmitter The system configuration within which the Sidelobe
Transmitter is employed is shown in Fig. 1. The input to the Sidelobe Transmitter
consists of the digitally encoded information to be conveyed to the receiver. The output
of the Sidelobe Transmitter is sent through the RC channel of impulse response h(t), and
the receiver matched filter with response k(t) before a decision is made at the sampling
instant. In order to reduce the intersymbol interference to zero at the sampling instant

belonging to other bits, the Sidelobe Transmitter signal for each bit consists of a main
lobe and sidelobes. The magnitude of the sidelobes is chosen to cancel the tail of the
main lobe.
It can be shown that for a given transmitter energy per bit the optimum shape of the
sidelobes is identical to that of the main lobe, s1(t). Thus, the transmitted signal for each
bit s(t) consists of:
(1)
The ,i are chosen such that the matched filter output p(tj) at the sampling instants is:
(2)

The matched filter output p(t1) is maximized subject to the constraint that the available
transmitted energy per bit is fixed:
(3)

The optimum waveshape s1(t) is obtained as a solution to the eigenfunction equation.
(4)
where the kernel Q(J, v) is obtained from the channel impulse response:

(5)
The waveshape s1(J) corresponds to the solution to Equation (4) with the largest
eigenvalue 81 For binary transmission, we send either + s(t) or - s(t).
(6)
For m-ary transmission, we may send rn levels of s(t) with a waveshape in each interval
of s1(t). Alternately we may transmit orthogonal signals with waveshapes s1(t), s2(t), s3(t)
etc. These shapes correspond to the eigenvalues 81, 82 83, etc. The choice of alternatives
depends on the magnitude of the sub-optical eigenvalues relative to the optimal

eigenvalue 81. From Equation (1), we find, since s1(t) is confined to one bit interval, that
the transmitted energy per bit E is:
(7)

where ET is the transmitted energy in the “main lobe. “
(8)
Hence, the energy in the main lobe interval at the receiver is:
(9)

where spill-over into the main lobe interval of sidelobe energy is either cancelled or is
assumed to be negligibly small. When the system is subjected to additive noise of density
0, the SNR at the decision instant is, since the intersymbol interference is zero:

(10)

The probability of error is:
(11)
The reduction 81 I is due to two causes: the attenuation of the medium and the dispersion
of received energy outside the bit interval corresponding to the main lobe. The factor
is due to the reduction of intersymbol interference to zero.
The relationships cited above are now applied to the RC channel. We assume here that
the sampling instant at the receiver is at time T after initiation of the main pulse. In
Appendix A, we derive the delay T1, past T at which a better decision may be made. The
impulse response is:
(12)

which yields:
(13)
From Equation (4):
(14)
where K is chosen to satisfy ET of Equation (8). The characteristic frequency T1 is given
by the first nonzero solution of
(15)
The eigenvalue 81 is given by:
(16)
The magnitude of the sidelobes ,i is given by:
(17)
where the first sidelobe ,1 is:
(18)
The magnitude of the first sidelobe ,1 is plotted in Fig. 2. The relative magnitude of all
sidelobes is shown in Fig. 3. The polarity of the sidelobes ,i alternate, since the
magnitude of ,1 exceeds
. The sum of the squares of the sidelobes forms a
convergent series since the term in the brackets of Equation (17) has an absolute value
less than unity. The total energy E at the transmitter is therefore

(19)

From Equation (9) and Equation (18), the usable energy Eg in the bit
interval at the receiver is therefore:

(20)

The probability of error for binary transmission though the RC channel
with zero delay is:

(21)
2. Transversal Filter Utilization at the Receiver The configuration within which
the Transversal Filter at the receiver is utilized is shown in Fig. 4. In the last decade the
Transversal Filter has found wide use in digital links as a static as well as a dynamic
equalizer. It has at times been used in conjunction with frequency compensation where
the Transversal Filter is utilized to provide the adaptive portion of compensation. Here,
we confine our analysis to the use of the Transversal Filter at the receiver as a static
equalizer.
The operation of the Transversal Filter is such as to produce delayed and weighted
replicas of the receiver input, which w en summed yield a signal waveform which
cancels the “tails” of the receiver input at future sampling instants of the matched filter.
We note that the Transversal Filter of Fig. 4 is a tapped analog delay line.
The impulse response of the system from transmitter output to receiver decision R(t) is
composed of the convolution of the channel response h(t) with the matched filter
response k(t), plus delayed and weighted replicas thereof.
If we require that the tap weights be adjusted to produce zero intersymbol interference at
the sampling instants tj we must have:

(22)

The above relationship is identical to:
(23)

We note immediately that Equation (23) is identical to Equation (2). Since the optimum
waveshape s1(J) must satisfy Equation (4) with the same kernel Q(J, v) as in the case of
the Sidelobe Transmitter, it follows that s1(J) and R(J) of Equation (23) and Equation (2)
are identical. Hence, the tap weights ,i of the Transversal Filter are identical to those of
the Sidelobe Transmitter. Since all the available energy E at the transmitter is utilized in
the main lobe, the energy Eg in the main lobe at the receiver is:
(24)
The noise at the receiver decision instant is augmented by delayed noise from previous
time intervals (“noise aliasing”). The noise power is therefore increased by the sum of
squares of the tap gains. At the matched filter output, the SNR is:

(25)

Since Equation (25) is identical to Equation (10) the performance of the Transversal
Filter at the receiver system and the Sidelobe Transmitter are identical. We note that no
assumption regarding the explicit nature of the response of the transmission medium is
needed to arrive at Equation (10) and Equation (25). We conclude, as one may have
intuitively expected, that the theoretical equivalence of these systems holds for any
arbitrary media.
3. Frequency Compensation When analog information confined to a prescribed
bandwidth is transmitted through an arbitrary medium, the frequency characteristics of
the channel are usually compensated by means of an analog equalizer network. A
commonly used equalizer design produces an overall flat amplitude and linear phase
characteristic in the frequency band of interest. This equalization technique is often
referred to as Frequency Compensation, or Analog Equalization. When the transmitted
information is in analog form and possesses a bandlimited spectrum, it is well-known
that such an equalization scheme reduces the signal distortion to zero. When digital
information is to be transmitted, the designer has often chosen to utilize Frequency
Compensation as well. The block diagram of the system is shown in Fig. 5. Since the
equalizer network, when cascaded with the channel produces a flat frequency
characteristic within the Nyquist bandwidth associated with the bit rate T, such a system

is capable of transmission of pulses up to a rate with zero intersymbol interference. A
matched filter is utilized to extract optimally in the presence of noise the available signal
energy in the bit interval. The optimum waveshape is sent by the transmitter. We
consider the case of additive 11white” noise of density 0.
For purposes of analysis, the receiver of Fig. 5 is equivalent to that of Fig. 6, since the
equalizer filter is linear. We need therefore to design a matched filter in the presence of
“colored noise.” (1) The matched filter satisfies optimally:
(26)

where f(J) is the correlating function of the matched filter. Rn(J) is the autocorrelation
function of the colored noise (normalized to unity spectral density coefficient).
(t) is
the transmitted signal through the bandlimited equalized channel.
If we denote:
(27)

then we must have:
(28)
where N(T) and

(T) are the Fourier Transform of Rn(J) and

(J)

The matched filter output due to the signal in the bit interval is:

(29)
With PT(T) the Fourier Transform of PT(t) we obtain:
(30)
The output in any arbitrary future interval due to the waveform

(J) is:

(31)

The Fourier Spectrum at the matched filter output is therefore
(32)
It follows that P(T) is bandlimited to
by Gibby & Smith, (2) maintain:

. We now utilize the constraint on P(T) derived

(33)
From Equation (6) in the reference:

*

(34)
Substitution of Equation (32) yields:

(35)
Hence, use of Equation (28) results in:

(36)
Thus,

(37)

*

Gibby & Smith use a definition of the inverse Fourier Transform without a multiplying factor of
1/2B. This factor is restored here.

The right hand side of Equation (37) represents the portion of the transmitted energy
within the Nyquist channel. When the transmitter pulses are confined to a time interval
T, only a portion B2 of the total transmitted energy E is available at the receiver:

(38)

The maximum B is obtained by selecting

(t), from the set of Prolate Speroidal

functions. At the Nyquist rate, the best one can do is a B2 of .78. For the example of the
RC channel, the “colored” noise spectrum is:

(39)
The matched filter output signal p(0) at the decision instant, is, after integration of N(T):

(40)

Hence, the probability of error becomes:

4. Conclusion We have compared the performance of the Sidelobe Transmitter,
Transversal Filter at the Receiver and Frequency Compensation schemes as static
equalizers for the RC Channel. The theoretical performance of the first two schemes is
identical, and the probability of error as shown in Fig. 7 is lower than that of the
Frequency Compensation technique. This follows qualitatively since the effect of the
added energy in the Sidelobes of the Sidelobe Transmitter equals the noise aliasing of
the Transversal Filter. Frequency compensation schemes involve both band limiting in
the equalizer network and time limiting in the matched filter.
Implementation The Sidelobe Transmitter of Fig. 1 consists of a digital delay line
with tap weights ,i in accordance with Equation (2). The summed tap weights modulate
the output of a shaping network. The shaping network produces a waveshape in each bit

interval in accordance with a solution to Equation (4). The timing for both the
waveshapes and the digital delay line is obtained from the clock.
The circuit appears to lend itself readily to IC techniques. The digital delay line consists
of an m-level shift register. The tap weights summer and modulator consist of resistive
networks, with the possible use of emitter followers for isolation. The waveshaping
circuit could be synthesized with the aid of a diode-resistor matrix. The clock is a
standard digital building block.
The Transversal Filter at the Receiver requires an analog rather than a digital delay line
to achieve a performance identical to that of the Sidelobe Transmitter. Use of a digital
delay line may be accomplished through use of either: (1) an analog to digital converter
(with the attendant quantization noise and complexity) or (2) Decision before
introduction of the signal into the delay line. The matched filter is placed in front of the
digital delay line and the output of the transversal filter is added to the matched filter
output in order to reduce the intersymbol interference at the decision point to zero.
However, since the receiver input is corrupted by noise, erroneous decisions would cause
the wrong polarity of tails to be introduced into the decision point and cause even greater
intersymbol interference then if there had been no transversal filter at all. Thus, this
scheme is prone to propagation of errors.
Frequency Compensation requires analog networks. Linearization of amplitude and
phase characteristics results in time delay. However, each transmitted bit is confined to
exactly one time interval. In the Sidelobe Transmitter, the transmission of sidelobes,
results in spreading the effect of a bit over several time slots. When the maximum of the
received wave occurs several bit intervals after the arrival of the signal front, (this is not
the case in the RC channel), a time delay is also required.
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APPENDIX A
We wish to derive the optimum time T1 at which time the receiver should begin
integrating the received energy.

(A-1)

We wish to maximize Eg subject to the constraint.

(A-2)
and
(A-3)
We note that:

We rewrite Eq. (A-1) in the form:

(A-4)
Thus,
(A-5)

where:

(A-6)

We proceed to evaluate Q1, Q2 and Q3. Q1 was found in the text to be:

(A-7)

(A-8)
hence,

(A-9)

and

(A-10)

Substitution of (A-8), (A-9) and (A-10) into (A-5) yields the following transcendental
equation:
(A-11)

For a fixed value of

, one solves (A-11) for values of

unity. For each of these values of

ranging from zero to

, one finds the lowest

which satisfies the

equation. The best T1 corresponds to the lowest T.
The shape of the transmitted signal in the interval 0 to T is an exponential in the interval
up to T1, and is sinusoidal from T1 to T.
This follows from (A-5). The eigenvalue 8 is given as before by:
(A-12)
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BIAS AND SPREAD IN EVT PERFORMANCE TESTS*
JOEL G. SMITH
Jet Propulsion Laboratory
California institute of Technology
Pasadena, Calif.

Summary Performance tests (measurements of probability of error) of communication
systems characterized by low bit rates and high reliability requirements frequently utilize
classical extreme value theory(EVT) to avoid the excessive test times required by bit
error rate (BER) tests. If the underlying noise is gaussian or perturbed-gaussian, the EVT
error estimates have either excessive bias or excessive variance if an insufficient number
of test samples is used. EVT is examined to explain the cause of this bias and spread;
experimental verification is made by testing a known gaussian source, and procedures
that minimize these effects are described. Even under these conditions, EVT test results
are not particularly better than those of BER.
Introduction Classically, performance testing of a digital communication system
consists of counting the numbers of wrong outputs of the system in response to a
sequence of known inputs. This so-called bit error rate (BER) test procedure is known to
produce an estimator of the probability of error which converges to the right answer
eventually, regardless of the type of underlying noise; i.e., it is asymptotically unbiased,
efficient, and distribution-free. But the lower the probability of error of the system, the
longer the sequence length must be to generate a sufficient number of errors to construct
meaningful confidence intervals; and the lower the data rate of the system, the longer is
the time required to generate this sufficient sequence.
As a time-saving alternate to BER testing of communication systems characterized by
low bit rate and low probability of error, classical extreme value theory (EVT) [1-9] has
been utilized. Procedures based on classical EVT do not record the number of errors
generated by the system, but rather examine the noisy data input to the decision element
of the system and attempt to measure probability of error from the statistics of the
noisiest data - the extremes of the data. Classical EVT is also well-known [1] to be
asymptotically unbiased, efficient, and distribution-free within a broad class of noise.
Unfortunately, the rate of convergence of the EVT estimate to its asymptote is sensitive
*
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to the statistics of the underlying noise, and particularly slow when that noise is gaussian
[6-9]. Further, for a large class of noise, including gaussian noise, the estimator suffers
either excessive bias or excessive spread for finite sequence length. These two features
combine to render classical EVT of questionable value in a gaussian-noise type of
environment for these communication systems.
This paper documents the bias and spread of EVT in the given test environment and
indicates how to minimize these effects. Specifically, for a given number of test samples,
the effects of the number of extremes and the number of samples from which each
extreme is drawn are examined.
Classical EVT Suppose we have a set of n independent samples (data points), x1,... xn,
of a random variable X with unknown distribution function FX, and we want to estimate
Pr(X $ x0 = 1 - FX(x0) for fixed threshold x0 . We know that the largest (the extreme)
value, x, of this sample has a distribution function Mn(x) equal to
, and that if FX is
sufficiently well-behaved (its derivative may have a tail of the form A exp (-xp), for
example, and be considered well-behaved), then asymptotically (for large enough n),
Mn(x) will be of the form

where "n and un are unknown parameters. Thus the procedure followed in classical EVT
is this: We take several (k) independent groups of data, each group of size n, and from
each group we record the largest (the extreme) sample value. Then, using this block of
extremes, we estimate "n and un (using, for example, a maximum-likelihood criterion, a
minimum distance criterion, or possibly others [1]). Then our estimate of probability of
error becomes

Note that the total number (m) of samples required for the test is m = n · k.
Unfortunately, if n is too small, the estimate will be biased. We consider why this is so in
the case for gaussian noise.

The Bias of EVT We define a new random variable Vn (the so-called reduced variate)
as a function of the underlying random variable X by (letting log denote natural
logarithm)

That is, if the random variable X takes on the extreme value x, the reduced variate Vn
takes on the value

This can be rewritten to obtain

Thus the extremes of X have a distribution function Mn(x), which asymptotically in n has
the characteristic double negative exponential form of classical EVT. We also see that
convergence to this asymptotic form should be fairly rapid, in terms of increasing n.
Further, the development so far has left FX unspecified (within the broad well-behaved
class mentioned earlier).
However, this distribution function is in terms of the reduced variate values vn(x), not the
extreme values x themselves. That’s the rub! We measure or record extreme values x, but
we must convert these extreme values to values vn(x). And clearly this functional
relationship depends on the nature of FX.
If X is exponential, then

and

where

Thus if the noise is exponential, there is a nice linear relationship between the extremes x
and the values vn(x) of the reduced variate, and clearly

holds for any reasonable value of n.
But suppose the noise is gaussian (it suffices to consider gaussian noise of mean zero
and unit variance). Then

which can be expanded asymptotically as [2]

where R(x) is positive, small, and falls off as 1/x2 . Defining

and manipulating, we obtain

This is clearly not a simple linear relationship. However, for values of x near Dn i.e.,
where *x - Dn *<< Dn, recalling that log y ~ y - 1 for y ~ 1, we have, neglecting , and the
quadratic term

where

Thus we have for all x near Dn ,
Classical EVT draws a “best” linear fit to the collection of extremes. If we assume we
have a sufficient number of extremes that the data “clusters” well around the empirical
distribution function, and at least a moderate sample size per extreme, then classical EVT
draws a “best” linear fit through vn(x). The classical EVT estimate of probability of error
is a function only of the ordinate of the linear curve at threshold. Thus for classical EVT
to yield accurate results, we require a large enough n that vn(x) is reasonably linear near
threshold; i.e., we require n large enough that *x - Dn * << Dn for all x near threshold x0,
or, in particular, we might require *x0 - Dn *<< Dn. For example, if x0 = 4 (i.e., x0 = 4F
with (F = 1), and from the above considerations we require x0 • Dn , this necessitates an n
of about 3000. Thus we see the need for some minimal sample size per extreme to
guarantee dominance of the linear portion of vn(x). For gaussian noise of mean m and
variance F2, "n is scaled by 1/F, un is scaled by F and shifted up by m, and our above
criterion for dominance of the linear term near threshold becomes

Furthermore, differentiating vn(x) twice, we see that vn(x) is convex cup for all x greater
than 1. Thus classical EVT places a “best” linear curve through a convex cup function,
assuming we have enough extremes that the data clusters around the curve vn(x). We
point out that if threshold x0 exceeds the expected largest value un , the linear curve must
cross threshold at a lower value than vn(x). This is shown pictorially in Fig. 1. This is
because most of the recorded extremes used in making the best linear fit lie near un , and
probably none exceed x0. (If we have a large number of extremes exceeding threshold,
our value of n is sufficiently large to permit classical bit error testing; thus we assume
un < x0).
Recall now that the true probability of error p is

while the classical EVT probability of error p' is

Thus since "n(x0 - un) < vn(x0), then p' > p; that is, classical EVT estimates an excess
probability of error, and thus the bias
is negative. Clearly, the magnitude
of the bias will decrease as n is increased, since vn(x) becomes increasingly linear as n is
increased.
The Spread of EVT Given a set of independent data (x1,... , xk), ordered so that
x1 # x2 # ... # xk , with some distribution function Mn(x), we note that the fraction of
points with value no greater than xi (for any i - 1, ... , k) is i/k. Thus we define the
empirical distribution function enk(x), using the step function , by

Clearly, in the limit, as k gets large,

In classical EVT, we are concerned with log log functions of enk(x) and hence, to avoid
problems, we cheat a little and define

Again, clearly,

We define the reduced empirical variate unk(x)

so that if

which it does for at least moderate n, then

This provides a qualitative measure of the number of extremes needed. We require a
sufficient number so that the reduced empirical variate unk(x) clusters well around the
reduced variate vn(x). If k is too low, then the “best” linear fit of the data will not
necessarily “fit” well, no matter how linear vn(x) may be. That is, an insufficient number
of extremes will cause excessive spread of the parameter estimates in any sequence of
tests.
Experimental Evidence We have pointed out that the number k of extremes used must
be large enough so that the reduced empirical variate clusters near the reduced variate,
and that the sample size n from which each extreme is drawn must be large enough to
minimize the bias (effect of nonlinearity). For a given number m of total test size, we
must ask what values of n and k give a best tradeoff between bias (n too low) and spread
(k too low). Figures 2 and 3 show the effects of various values of n and k as a function of
test size m using independent data from a gaussian data source with known statistics, at a
threshold x0 of 4 sigma points. Figure 3 summarizes the results at m = 3, 12, 30, and 60
thousand, for k = 10, 20, 30, 50, and 100. A,s k increases, the spread decreases but
moves upward, reflecting the increased bias due to decreasing n.
As a reasonable com romise between the effects of bias and spread, a k of 30 (30
extremes/total cost) was selected for this threshold of 4F, and EVT was compared with
BER using the same gaussian source. The performance curves are shown in Fig. 4. The
five solid EVT performance curves are the 90% quantiles, the first sigma points, and the
average. The dotted BER performance curves are the 90% confidence curve and the
actual bit error count. Clearly, EVT holds no distinct edge over BER for this data source.
Comparable tests at other threshold values bear out these conclusions.
For noise with density function of the form

for r > 1, analysis reveals again a nonlinear form of vn(x) and a negative bias.
Experiments have shown the same tradeoffs between spread and bias and comparable
performance.
Conclusions We have shown that bias and spread impose conflicting requirements in
the use of EVT for testing digital communication systems, have indicated how to
minimize the effects of these factors, and have compared EVT with BER testing of a
gaussian source. It seems apparent that under the best of conditions EVT does not
perform especially better than BER.
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Fig.2 - EVT Average Performance as a Function of
k for Gaussian Noise and x0 = 4F
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Summary Three basic discrete estimators, each of increasing complexity, are
presented for extracting a random signal sequence from one which has been distorted by
an additive white noise sequence. Closed form solutions are obtained by minimizing the
mean square error, convergence properties are indicated and comparisons made. Several
examples are given to indicate what typically can be expected in each case.
Introduction Statistical communication and control theory have been researched a
great deal over the last three decades; a large portion of the work being devoted to an
expansion and application of the Wiener-Kolmogoroff [1] and the Kalman-Bucy [2]
theories to the problems of estimation. While initial efforts were mainly directed towards
continuous estimation problems [3-4], recently emphasis has shifted to systems which
are basically discrete in nature [5-6]. The work which follows is concerned with solving
the optimal estimator problem using both linear and non-linear solution techniques when
the inputs are random sequences. Though this problem frequently encompasses
prediction, filtering and smoothing, our concern will be mainly that of filtering. The
theory can immediately be applied to the other two without any difficulty.
General Problem Statement The basic problem of interest here is modelled in
Figure 1. A random signal sequence,{sk}, is generated and distorted by a random,
additive noise sequence,{nk}, It is desired to operate on this new k sequence,{xk}, in
such a way as to extract an estimate,{×k),of the signal sequence which is close to the
original signal sequence in some statistical sense. The measure of goodness used is the
mean-square difference, Eq. (1), between the signal and its estimate.
(1)
E{·} is defined to be the expectation operator. The problem is to minimize this measure
over the class of estimators being used.
This work will propose a simple linear and non-linear estimating procedure and compare
it to the well known optimum, discrete Wiener-Hopf linear estimator. Several examples

are worked to give some insight into the development throughout the discussion. It will
be assumed that the signal and noise sequences are statistically independent, when
necessary for computations.
Discrete Wiener-Hopf Estimator For the optimum, discrete, linear estimator
(Wiener-Hopf Estimator), the output, ×k , Eq. (1), can be computed as a discrete
convolution of xk with ak , that is,
(2)

where ak is a sequence in

to be determined.

By substituting Eq. (2) into Eq. (1) and expanding the result, the mean-square error is
found as in Eq. (3).
(3)
where Ns (·) is the autocorrelation sequence for the actual signal, Nsx (·) is the cross
correlation sequence for the actual sequence for the actual signal, and Nx (·) is the
autocorrelation sequence for the distorted signal.
By any one of several methods, the mean-square error in Eq. (3) can be minimized over
all possible sequences {ak)to obtain the equations
(4)
which is the well known Wiener-Hopf Equation [5].
If the z-transform of Nsx (·) and Nx (·) are restricted to be rational functions of z, then the
z-transform of the optimum realizable discrete WienerHopf estimator can be represented
as

(5)
where
(6)

and the brackets {·} denote taking the realizable part of the function which the contain.
The inverse transform of Eq. (5) yields the desired sequence, ak}, of the estimator.
Example Let us assume that the signal has an autocorrelation sequence
(7)
and the additive noise has an autocorrelation sequence
(8)
where *0,k is a Kronecker delta. The optimum, realizable filter thus has the weighting
sequence (the realizable solution to Eq. (4))

(9)

where
(10)
and
(11)

The effect that the signal to noise ratio,
(12)
has on the mean-square error of this estimator was computed for a wide range of ", the
signal correlation coefficient, and SNR, and is shown in Figure 2. From these curves, it
is evident that as the correlation between elements in the signal sequence increases - that
is, as % decreases - the overall meansquare error decreases. It should also be noted that as
a signal to noise ratio increases - that is, as No decreases - the mean-square error
decreases to 0.

Discrete Linear Nonrecursive Estimator While the Wiener-Hopf Estimator of the
previous section has potentially infinite memory (recursive), Figure 3 shows a model of a
linear nonrecursive, finite memory estimator (transversal equalizer). In this case the
estimated signal is a finite convolution of the input and the delay line weighting
sequence, Eq.(13).
(13)

By substituting Eq. (13) into Eq. (1), a finite version of Eq. (3) is obtained, that is
(14)
The mean-square error will be a minimum if [7]
(15)

or in vector notation

where

(16)

(17)

It is sufficient that Nx (·) be a real positive definite sequence to insure the invertibility of
Nx . Thus, one finds that
(18)
which is the optimum solution to the discrete, linear, nonrecursive estimator equation.

It can be shown [7] that the mean-square error for this estimator decreases monotonically
as the length of the delay line increases and will converge to the realizable Wiener-Hopf
mean-square error as the delay line length goes to infinity.
Example For the previous example, described in Eqs. (7) and (8), the optimum
weighting sequence, Eq.(18), was found by the Gauss-Seidel method of solving
simultaneous equations and the mean-square error of Eq.(14) computed. Figure 4
displays the mean-square error versus SNR for a length 3 and length 15 filter. The
comments concerning this estimator are borne out by the example.
Discrete Nonrecursive Polynomial-Type Estimator The discrete, nonrecursive,
polynomial-type estimator is a simple, zero memory nonlinearity. The purpose of this
design, shown in Figure 5, is to try to improve performance by using information
contained in the higher order moments of the input sequence rather than only the
correlation of the sequence elements as done in the previous cases. In this situation, the
estimated sequence, ×k , is found as
(19)
where each A(j) is a constant to be determined. Substitution of Eq.(19) into Eq.(1) leads
to the mean-square error
(20)
It is evident that both the marginal and joint moments of the signal and noise sequences
are necessary to solve Eq. (20).
By a straight forward application of the calculus of variations, the mean-square error can
be minized to give the optimum weighting sequence as
(21)
where

(22)

and

(23)

The matrix in Eq.(23) is always invertible [7], which always guarantees a solution to
Eq. (21).
This particular model allows us in principal to relate the amount of information
contained in the higher order moments as compared to the information in the second
moments which are used in the linear estimators of the previous cases. There is no
advantage to be obtained if the signals are gaussian, however one might hope to achieve
some additional improvement when the distributions are non-gaussian in nature. This in
fact is the case in general [7], though the relative improvements are not yet known.
Example Let the signal sequence be defined by the probability density function of
Eq.(24),
(24)
and let the noise sequence be defined by the probability density function of Eq.(25),
(25)
where u-1 is the unit step function. The unusual shape of these density functions was
chosen so that the mean value of each of the sequences is zero. Assuming that both the
signal and noise sequences are stationary and statistically independent, the mean-square
error of Eq.(20) was computed for several values of p. The mean-square error is
tabulated in Figure 6 for two different values of D for polynomials of order up to 5. For
these cases, the mean-square error is a monotone non-increasing function, indicating that
the higher order moments did indeed contain some additional information.
Conclusions In the case of the linear estimators, the Wiener-Hopf estimator is
optimum. However, a small number of delays might only be necessary if the correlation
of the signal sequence is rather low. As the correlation between adjacent values in the
sequence increases, the optimum filter gives a better performance than the nonrecursive
filter for a fixed number of delays. As the signal to noise ratio improves, the mean-square
error performance approaches zero in either case.

For the polynomial-type estimator(non-linear), it has been demonstrated that an
improvement in the mean-square error performance for a specific signal-to-noise ratio
can be obtained by using only up to a third order polynomial estimate. Although the
improvement is rather mild in this case, an efficient means for designing non-linear
estimators is believed to have been accomplished. At the least, the computation is
straight-forward and convenient in most cases. The combination of non-linear estimators
and linear estimators should provide a significant improvement over either used alone.
Applications in terms of adaptive estimators in cases where the statistics required are not
known a-priori.
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FIGURE 1. Discrete estimation system model.

FIGURE 2. Mean square error versus SNP for the optimum
realizable discrete Wiener-Hopf filter, where v=1.0.

FIGURE 3. Model of the discrete linear nonrecursive estimator.

FIGURE 4. Mean square error versus SNR for the discrete linear
non-recursive filters of lengths 3 and 15 with v=1.0.

FIGURE 5. The model of the discrete nonrecursive Type estimator.

FIGURE 6. Mean square error versus polynomial degree for the discrete
nonrecursive Polynomial type filter, where p of the noise
probability density is .5 and 2.0.

DESIGN OF A MEMORY CONTROLLED PCM SYSTEM
B. M. TEMKIN and R. E. SHERLIN
Dynatronics Operation
General Dynamics Corporation

Summary Airborne PCM Telemeters are essentially alike in that they multiplex digital
and analog data from numerous sources and format it into a serial data stream. Because
of radical format differences in data requirements, however, frequent redesign of format
generation logic is mandatory. The recent development of small non-volatile Read Only
Memories with large bit capacities has suggested a telemeter whose characteristics can
be altered merely by replacing a memory. The authors solution to the problem of the
“universal encoder” is the design of the MPS-101 whose word format is controlled by a
MOS-FET Read Only Memory. The MPS-101 can store six reasonably complex formats
in its 6144 bit plug-in memory card. To insure flexibility, a bit rate oscillator and a
premodulation filter are included within the interchangeable module. A program plug
enables the user to address (select) the desired format, control the word size, select parity
and vary the bit rate. Data rates can be clocked up to 750 KB/S, with no effect on system
accuracy. This work has resulted in an encoder whose format is totally arbitrary and
whose data structuring and major/minor frame synchronization techniques are strictly
under “software” control. This work was performed under Sandia Laboratories Contract
Number 72-3233.
Introduction PCM encoder design suffers under the precept that different missions
mean different formats and channel complements. To meet this requirement, redesign
(and re-qualification) is necessary for each specific application. The desired solution to
this problem is an encoder which can allow for radical changes without redoing the
electronics. Furthermore, the encoder should be capable of storing more than one format
for use in adaptive telemetry. Recent advances in integrated circuit technology suggests
that such a telemeter can be manufactured whose format is determined by a plug-in Read
Only Memory. In addition, current “medium scale integration” allows for more flexible
design wherein other encoding parameters can be changed by a simple program plug.
The objective of this design effort was to manufacture a PCM encoder whose format is
determined by programming a non-volatile Read Only Memory. The software must
determine major and minor frame lengths plus synchronization coding so that ground
decommutation is not impaired as the number of bits per frame changes. Features that are
independent of the format, such as bits per word, bit rate, el alia, should be under the
direction of digital or hard-wired inputs to a program plug. In addition, all the analog

circuitry should operate to specification regardless of channel sequence permutations or
word and bit rates.
This paper will cover the design highlights in five sections. The first section will be a
physical description. The second section will cover general system operation,
illuminating the capabilities of the encoder. The next section explains the techniques for
organizing the memory, including the sizing tradeoffs . The fourth section will describe
the operation of the memory and formatting process. Finally, we will present conclusions
and recommendations for usage.
General Description The encoder is packaged in a 48 cubic inch housing designed for
a typical airborne environment. The form factor (in inches) is 5 x 3.1 x 3.1. A picture
may be seen in Figure 1.
In order to meet the size requirement, but allow for repairability and maintainability,
very extensive use of standard integrated circuits was necessary. In some areas, viz. , the
analog and digital multiplexers, thin-film assemblies were used. It should be noted that
these assemblies were designed for repairability - a necessary feature for large hybrid
arrays.
The encoder can be disassembled rapidly to provide access to a customer oriented
memory plug-in card. This functionally designed printed circuit has the components
which are most likely to be changed. The significant functions located on this card are
the:
1)
2)
3)

ROM (6144 bit capacity)
Bit Rate Oscillator
Pre-modulation Filter

The remainder of the circuitry is on conventional double-sided printed circuit cards.
Internal wiring and circuitry was designed for “buss” organization of the multiplexers.
This allows for future expansion.
Power consumption is less than 12 watts, constant with battery voltage. This is
significantly lower than that required for a similar system with plated wire or core
memory.
System Operation The system diagram in Figure 2 illustrates the operation of the
encoder. The analog channel complement is 64 single ended (0-5.2v) and 16 differential
(0-40 mv). The low level signals are multiplexed and amplified by a drift stabilized true
differential amplifier and interleaved with the high level channels to the analog-to-digital
converter. The resultant binary code is formatted with the 64 parallel digital plus I serial

digital inputs in the format matrix. The sequence of sampled channels is entirely under
the command of the contents of the Read Only Memory. Any data channel is randomly
addressable by the memory control.
System operation is clocked by either an external or internal bit rate oscillator. If an
external clock is present, it automatically overrides the internal oscillator. The bit rate
enters a bits/word counter within timing/control. The output, which is the word (or
channel) rate , initializes all operation within Memory Control, PCM Control, and the
Analog-to-Digital Converter (ADC) . At the start of each new word, the Memory Control
is instructed to locate a new multiplexer address. At the next word, this address is routed
to the multiplexer address buss and the appropriate channel is selected. Synchronization
information is similarly retrieved from memory. These codes are sent directly to the
Format Matrix at the proper time.
In general, all parameters which determine the format are a function of Memory Control
and the ROM. This includes the frame synchronization code(s), which may be of length
independent of PCM word size. All parameters which determine the composition and
nature of the PCM word, such as encoded bits per word, parity, bit format, and filtering
are determined by the program plug. One area in which the functions cross is that the
program plug injects “frame sync complement” , if desired. The decision to have
hardware control over this option was determined merely by economical use of the logic
elements. As an aside to those who may be unfamiliar with PCM frame synchronization
techniques, frame code complement is an older method of maintaining subcommutator
“lock” before use of the more modern frame counter (SCID) code became prevalent. The
encoder can provide both simultaneously if required.
The Analog-to-Digital Converter, which is essentially a thin-film hybrid, operated
admirably under system test. The encoded data was monotonic throughout the bit rate
range of 4 KHz to 750 KHz over a temperature change of ±60EC .
A point should be made for the low level amplifier. Although the voltage drift and offset
is “clamped” out, the rise time of the amplifier is less than two microseconds for a gain
of 130.
Memory Organization The memory should be organized in a manner which provides
the optimum software-hardware configuration. If the memory is organized so as to
require minimum storage capacity, the required supporting logic could be extensive. If
the opposite approach is taken, namely, storing the entire format in memory, the memory
size could become impractical. The authors have chosen to select an approach suited for
volumetric efficiency. In some cases, the minimum available memory size is more than
sufficientto store any format required by the system. In such a case, there is no advantage
to reducing the memory capacity by use of ancillary logic. However, if extensive

subcommutation is required, the memory capacity required to repeat store the main frame
channel addresses, becomes excessive and supporting logic is attractive.
The memory is organized as 12 bit instructions (or memory words). The standard sizes
used here are blocks of 256 x 12 MOS-FET ROM’s. The 12 bit word is organized into an
8 bit data field and a 4 bit operation code. The data field contains the following:
1)
2)
3)
4)

Multiplexer address (to multiplexer buss)
Synchronization coding
Memory address modification
Housekeeping codes

The op code is used to route the instruction in the data field to the multiplexers or within
the memory control for address modification, housekeeping, formatting, or code
insertion in the format (such as sync code).
The memory is programmable for super, sub, and sub-sub commutation.
Memory Operation The Memory Control logic in Figure 3 is initiated by a word start
pulse which originates from Timing/Control. Once initiated, the internal memory system
timing is controlled by an asynchronous 2 MHz clock.
The ROM is addressed by either the Memory Address Counter (MAC) or the output of
the Address Modifier. The MAC is advanced each PCM word time, while the Modifier
output is utilized only for sub-commutation. At the start of each PCM word time, the
memory location addressed by the MAC is read. Each memory location consists of a
twelve bit word forwhich four bits are used for an op code and the remaining eight bits
for the data field. The op code indicates what type of function is to be performed. For
example, the op code may indicate that a high level channel is to be sampled. The data
field would indicate which one of the sixty-four channels is to be sampled. The same is
true for low level differential and bi-level channels.
Another op code is used to direct the system to route the data field to the output shift
register, as in the case of frame sync. An op code is also used to direct the system to
sample the Frame Counter contents, as in the case of the Sub Comm ID.
In each of the preceeding examples, a single memory cycle, at the PCM word rate, is
used to control the system; i.e., the memory address is always under control of the MAC
via the input selector. Also, none of the aforementioned op codes exercise any control
over the memory subsystem, but are all routed directly to the PCM control logic.

There are several op codes used to control the memory subsystem. For example, one op
code commands the memory to compare its data field to the contents of the Frame
Counter by using the Address Modifier. If the comparison is proper, the counter is reset
to zero. This occurs at the beginning of a major frame.
Another op code directs the MAC to be preset to a hard-wire address, thus controlling
the memory start location for each minor frame. These op codes,which are for memory
subsystem control only, do not result in any PCM output.
Whenever one of these op codes is encountered in the operating sequence, the control
system will perform as directed, the MAC will advance, and the memory will
immediately recycle. The memory will continue cycling, up to a maximum of three
times, until an op code which results directly in a PCM output is detected and processed.
For example, after the last channel in any minor frame is processed, the MAC is
advanced. The resulting memory output is an instruction to test the Frame Counter
contents. While the test is being conducted, the MAC is advanced and the memory
recycles. The resulting memory output directs the system to preset the MAC, as
described previously, and the memory cycles again. This output will be the first eight
bits of the frame sync. The memory stops, and the op code, with sync bits, is output to
the PCM control logic. The time required for three memory cycles is 7.5 microseconds.
The last type of memory function to be discussed is the generation of sub commands.
The design philosophy employed in the system is to minimize memory size by taking
advantage of the cyclic nature of sub comms. For example, when four sub comm
channels, to be sampled at 1/4 main frame rate, are positioned in the mainframe PCM
word slot, the memory contains only the information regarding sample rate and the
memory address which contains the first of the four channel addresses. In this routine,
memory control logic requires three memory cycles to generate a sub comm channel
address for processing by the PCM control logic.
Conclusions This work has produced a PCM telemeter whose format is stored in a
plug-in Read Only Memory. The distinctive feature of this encoder is small size, minimal
power consumption and adaptability. In use, two applications are readily apparent. In the
first, the system designer can maintain a stock of encoders without being committed to
such details as formats, sampling rates, and the like. The second suggests an in flight
computer link which commands format switching, or frame dwell, as a function of
processed data.

Figure 1. Aerospace Memory Controlled PCM Encoder, MPS-101

Figure 2. MPS-101 System Diagram

Figure 3. Memory Control

A VERSATILE MEMORY CONTROLLED PCM ENCODER
FOR ADAPTIVE TELEMETRY SYSTEMS*
C. S. JOHNSON
Sandia Laboratories
Albuquerque, New Mexico.

Summary An Adaptive Telemetry System is defined as a flexible, controllable pulse
code modulation (PCM) telemetry system which offers many options and many modes of
operation prior to and during actual test of a monitored system. The concept of having a
telemetry system adapt to the data and circumstances of the test is not new. Large datagathering systems using computers for control have pioneered this concept. However,
the present development activity has centered on a small aerospace memory controlled
PCM encoder which can function as the keystone of an adaptive telemetry system. The
encoder can be used by itself as a general-purpose airborne encoder.
Introduction The flexibility and adaptability of the encoder are made possible by
recent developments in the solid-state memory field, particularly the metal oxide fieldeffect-transistor read-only-memory (MOSFET ROM). The encoder is designed to use a
nonvolatile solid-state ROM that is programmed by a special mask at the time of
manufacture. The semiconductor memory controls the format of the encoder and may
contain more than one format. The encoder has been designed to meet the requirements
of general field-test programs at Sandia Laboratories and eliminate the nonrecurring
costs and efforts required to develop an encoder with a particular fixed format. (It is
being manufactured for Sandia Laboratories by the Dynatronics Operation of General
Dynamics and has been designated the MPS-101 encoder. ) The encoder, for example,
will during a missile flight change formats upon the application of a new digital word to
the format control lines. It also has options which permit switching of bit rates and
changing to external transmitter premodulation filters to permit either the increase or
decrease of data flow from the encoder. These options are accomplished via logic signals
sent from external controlling circuits.
The 48 cu in encoder has 64 high-level (0 to 5 volts) and 16 low-level differential (0 to
40 mv) or optionally used as high-level (0 to 5 volts) analog channels. The encoder also
has the capability of transmitting up to 64 bi-level channels. The logic of the encoder has
been designed so that, if desired, the package may be expanded to handle a maximum of
*
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128 high-level channels, 128 bi-level channels, and 32 low-level/high-level differential
channels. The encoder can encode the input signal into either 6 or 8 bit words at rates up
to 750 kilobits. The PCM output can be either NRZ-L or Bi-o/-L.
The read-only-memory controls and selects the number of high-level, low-level, and bilevel inputs that are utilized in the PCM output. The memory controls the time multiplex
sequence of the input channels. Channels may be supercommutated, subcommutated, or
sub-subcommutated by the instructions that are programmed into the memory. The bilevel channels are organized in the encoder on a word basis (6 or 8 channels per word).
The memory also contains the frame synchronization code which is used to signify the
start of each main frame.
The encoder has been so designed that a number of the functions can be either selected
preflight or selected during flight by external logic. The number of data bits and the use
of parity for all words in a given format are controlled by signals sent into the encoder
via the programming plug. The bit rate is selected by a component change inside the
encoder. However, it is possible to take the internal clock frequency from the encoder,
divide it externally by an integer number, and reinsert it into the encoder via the
overriding external clock input. The determination whether differential data channels
will operate in a low-level or high-level mode is a preflight hardwire change.
Considerations for Adaptive TM Systems Much of the information transmitted on a
telemetry link is usually summarized within predetermined design limits. If the telemetry
system could observe the data and know that it is within the design limits as required for
the system, it would be possible to transmit some signal indicating that all systems are
okay. It is generally agreed that a simple okay would probably not satisfy most users
because they would ask the question, “Is the telemetry system okay?” Another adaptive
approach is the possibility of implementing a flexible PCM system which would sample
each channel and decide if there was any data present that should be transmitted and if
so, transmit it. If there was not any data to be transmitted, that channel would be skipped.
This would be a form of data compression and adaptability. However, the data reduction
would be complicated by having to decipher this system even if each channel had an
address. Besides the data reduction problem, the additional channel addresses would
require additional bandwidth and make this approach to an adaptive data compres
sion system undesirable.
The approach chosen as being most reasonable and yet still extremely flexible centers
around the capability of the PCM encoder to store and switch to more than one format.
The encoder has a capability of using two solid-state 256-word by 12-bit memories that
can store up to six average PCM formats. The term “average format” is quite nebulous.
To better define this term a sample of an “average format” is shown in Figure 1. This
format roughly has the same capacity as a proportional bandwidth FM package which

has for a number of years been the standard of the TM industry. This format requires
only 75 memory addresses to program. Thus the memory of the encoder that contains
512 addresses would hold 6 of these formats with a few addresses to spare. The channels
can be repeated in different patterns from format to format or be completely different sets
in each format.
A capability to switch formats in the encoder implies that the ground station must be able
to recognize when a change of formats is about to occur. Otherwise, the ground
decommutators will be completely mystified by what is going on in the encoder. So
format switching necessitates a system of format codes and a word in the format called
the format identification. When switching formats in the encoder, it must be recognized
that the ground station cannot instantly follow what is being done in the air, so some
time must be provided for the ground station to prepare to switch in sync with the
encoder. The ground equipment must also discriminate against a format ID word being
altered by a noise burst by checking that it has received a valid format ID word. The
check is accomplished by programming the first 3 bits of a word to binarily indicate any
one of 8 different formats and re-encoding the same 3 bits in the second part of the word
so that a check can be performed to determine that the first half of the word is like the
second half of the word. If the two 3-bit words agree, then the format word is accepted as
being valid.
The next problem the ground station must wrestle with is the time that the airborne
system intends to switch. This can be determined by a combination of the format ID and
the subcom ID words. The encoder sends out a signal which could be called a busy
signal during the last main frame of a sub-frame as a signal to inhibit the incoming
change of address. The busy signal will not permit a command to switch formats to take
place during that last main frame. A command to change will be seen and entered only at
a time when the busy line returns to normal, thus making sure that the format ID word is
seen for one whole sub-frame. Since the encoder treats single main frames as groups of
two, this feature also insures that even if the format consists of a single main frame it
will appear for a total of two main frames. The ground station can therefore detect the
presence of the format ID word as being different and prepare whenever the last subcom
ID word appears to switch formats at the beginning of the next sync word which would
coincide with the airborne encoder’s switch to a new format and possibly a new
synchronization pattern.
Philosophy of Adaptive Programmable TM Systems In the development of weapons
and missile systems it is not always possible to determine the total performance of the
system before several tests have occurred. In this day of expensive hardware, fewer tests,
and smaller budgets, every test should yield the maximum amount of information
available. Test data is sometimes deleted because there is a lack of telemetry channels
and because it is reasoned that other data is more important. During an actual flight it has

many times, turned out that the deleted data was the most important. If the telemetry
system monitoring the transducers, or fuze or control system, etc., could be made to
always optimally transmit the most active channels or the most important data channels
as decided against the best a priori constraints, then the telemetry system would be
operating at close to maximum efficiency.
To achieve this maximum efficiency the PCM encoder would be switched by a controller
(see Figure 2) to a different section of its memory and therefore to a different format to
pick up unused but available data channels. For example, an external timer could initiate
a format change. During the initial phases of a missile trajectory there are usually very
few fuze functions that require monitoring, but a large amount of environmental data
must be transmitted. The lift-off format would transmit supercommutated environmental
channels perhaps at a higher bit rate. Fuze data could be monitored at very low sample
rates, subcommutated into the initial format. After completion of the early phases of the
flight, a timer would simply switch to another format and/or bit rate which would
transmit fuzing and flight information.
Bit rates can be changed in flight by overriding the internal clock via the external clock
input. At the same time, the internal transmitter premodulation filter can be removed
from the circuit and the signal routed out to an external premodulation filter before being
returned to the encoder for final amplification. When bit-rate changes occur, there willbe
a loss of data momentarily on the ground until a second bit synchronizer can acquire the
new bit rate.
The switchable bit rate and format change can be teamed together to store a reasonable
amount of information at low sample rates in a temporary external data storage device,
such as a long shift register. At the end of the storage time, shift register output could be
dumped at a high bit rate or interwoven into the PCM bit stream via the serial digital
input available on the encoder.
Another example of the utilization of an encoder controller would be the case of
employing some external transducer to sense an abnormal condition that might occur
during flight and to order the encoder to look at selected channels related to this
malfunction., One possible type of malfunction sensor is a gyro which could be used to
indicate tumbling of the flight vehicle.
The fuze and flight controllers are other sources of malfunctions. In these cases, the
designer would like to know what components had failed and in what sequence the
malfunction had occurred. To accomplish this type of diagnosis an external data
recognition analyzer would monitor many test points and determine if the proper
sequence was occurring. If the nontransmitted data was within the constraints
programmed into the memory of the data analyzer, then no other action would be taken

to transmit these additional test points. However, if a malfunction was recognized the
analyzer could switch encoder formats to maximize the number of test points being
transmitted to the ground.
One problem which must also be handled is the fact that the encoder could receive
conflicting format commands. This problem is solved by implementing a priority
switching arrangement in which every command to switch formats is weighted in a
priority scheme. The most important malfunctions related to a given format would be
given the highest priority. Generally the initial format would be assigned the lowest
priority, thus allowing the adaptive TM system to override the initial format and switch
to other formats. If no other commands were received, the initial format would always
control.
Format Switching When the encoder receives a command to switch in the form of a
new memory address, it will receive this address and load it into a memory address
register. At the end of the next minor frame the memory will recycle and reset itself to
the new memory address. Control logic starts this format sequence as any other by
pulling the sync code from the memory and placing it into the output shift register. The
internal memory advance counter steps the memory through the various addresses which
are then interpreted by control logic to determine the particular channel addresses that
are required in the format. When the channel address of an analog channel comes up the
information will be passed out to open the selected analog multiplexer gates. The MOS
FET gates will be opened and the input voltage of the data channel will be fed to an
analog-to-digital converter. The output of the analog-to-digital converter is then placed
in the outgoing PCM bit stream. When the memory sends out an instruction that is
interpreted as a bi-level channel address, the bi-level channels will be fed directly into
the output shift register. Once the memory has cycled through a complete main frame
series of addresses, it will go again to the programmed address and repeat the cycle.
Subcommutation is accomplished through mask routines performed by the control logic.
The encoder can derive new addresses and jump to them while holding the memory
counter at its initial address.
Conclusion The encoder as described in this paper forms the keystone for complex,
adaptive telemetry systems to improve the flow of data over RF links from missiles and
aircraft. The encoder’s flexibility is due to the logic control and memory system. Its
small volume and versatility make it suitable for a large number of applications.

Figure 1. Average PCM Format. Requires 75 Memory Addresses

Figure 2. Real-Time Inflight Adaptive PCM System

HIGH DATA RATE CODING FOR THE SPACE STATION
TELEMETRY LINKS
D. R. LUMB
Ames Research Center, NASA
Moffett Field, California 94035
A. J. VITERBI
Linkabit Corp.
San Diego, California

Summary This paper summarizes a study of coding systems for high data rates with
potential application to the space station telemetry links. Among the approaches
considered were convolutional codes with sequential, Viterbi and cascaded Viterbi
decoding. It was concluded that a high-speed (.40 Mbps) sequential decoding system
best satisfies the requirements for the assumed growth potential and specified
constraints. Trade-off studies leading to this conclusion will be reviewed. Some
sequential (Fano) algorithm improvements will be discussed as well as real-time
simulation results.
Introduction Space station concept definition studies’ have defined communication
requirements for the basic Solar-Powered Space Station concept. The three major links
of the external space station communication system are:
1)
2)
3)

Space station - ground via relay satellite system link
Space station - ground via direct link
Space station - deployed experiment modules

The relay satellite was selected as a primary link to the ground with a direct link as backup; the down-link transmission requirements consisted of:
1)
2)
3)

One standard color television channel
Four voice quality channels
Telemetry and down-link data rate of 10 Mbps

In a more recent version of this space station concept, namely the Shuttle-Launched
Modular Space Station2 the down-link communication requirements are outlined and
slightly reduced from the earlier version; however, the original data volume design point

was retained for the purpose of projected growth. In the space station concept definition
studies’ the experiment and systems telemetry data are PCM; however, the voice and TV
channels were assumed analog. Other studies3 have investigated in detail digitizing the
TV and voice links with some redundancy elimination techniques for bandwidth
reduction. Further efforts4 provide a design for a baseline external communications
system for the original 12-man space station concept using a time-division multiplexed
(TDM) digital channel for the TV and PCM data. For this design the highest data rate is
20.2 Mbps for the space station-to-ground link via relay satellite.
System Constraints and Requirements To bound general coding system parameters,
certain guidelines were established. The coding system must be capable of operating at
data rates in the tens of Mbps range (greater than 20 Mbps) with a potential of growth to
more than 50 Mbps. The time-division multiplexed channel will derive information from
various sources, with varying speed and error rate requirements, and the coding system is
expected to meet the demands of each information source. These bit-error-rate
requirements may vary from 10-3 to 10-8 depending on the extent of source coding. As
more onboard space station processing and redundancy elimination is accomplished, the
error-rate requirements will decrease for larger portions of the data.
The allowable bandwidth expansion due to coding may be an important factor when
operating at high data rates via a relay satellite. It is assumed that a bandwidth expansion
factor of 2, or a code rate of 1/2, is the greatest expansion due to coding that can be
tolerated. During the study, optimum rate 3/4 and 2/3 codes were found, and their
performance was studied theoretically and by computer simulation. However, the
channels currently considered do not appear to be so bandwidth-constrained that detailed
implementation assessments of these high-rate codes are warranted. Due to the wide
variety of information sources it is not feasible to use data format framing information as
synchronization (as is done on Pioneer 9 and Pioneer F/G spacecrafts, for example) for
blocking the data before encoding. Although synchronization information, necessary for
coding, can be provided, it is most desirable to eliminate this requirement for the coding
system. The decoder is required to perform necessary synchronization after acquisition
of the transmitted signal and after bit detection. Specifically, the decoder must resolve
the phase ambiguity and code node sync for binary phase shift keyed (BPSK) or
quadriphase shift keyed (OPSK) modulated signals. The decoder is to monitor and
measure system perforrnance and to detect link malfunction or unreliable link operation.
In satisfying these general guidelines of requirements, three coding approaches are
considered: convolutional coding with Viterbi decoding, cascaded Viterbi decoding, and
sequential decoding.
Viterbi Decoding A performance and implementation study of the Viterbi decoding
algorithm5 was undertaken6 to determine its feasibility for efficient communication at

data rates of 20-50 Mbps. The bit error rate performance of rate 1/2 Viterbi decoders,
using 3-bit quantization, is shown in figure I for constraint lengths K = 4, 6, and 8.
As a result of numerous algorithm modifications and simplifications, involving in
particular metric compression, add-compare-select logic optimization, metric overflow
design, and memory storage minimization, several designs of a K = 4 decoder, operating
at 40 Mbps with 3-bit quantization, were performed using alternate IC logic families.
Important features of these implementations were the self-synchronization and the
channel reliability monitoring capabilities of the decoder. Both capabilities are derived
directly from the decoder metric behavior. No block or state synchronization is required
since the algorithm automatically achieves this after decoding at most a few constraint
lengths of data. On the other hand, incorrect symbol synchronization (one of two
positions for code rate 1/2) and incorrect phase (180E ambiguity in a BPSK and 90E
ambiguity in a QPSK system) will be detected as inordinately high metric increases with
consequent overflows. These overflows are accumulated in an up-down counter that,
upon its own overflow, causes a change in node or phase synchronization position. The
decoder will continue the search until the metric overflow count ceases to rise. The
metric overflow is also used to monitor performance, for the rate of overflow of a
synchronized decoder is proportional to channel error rate.
The conclusion of the design study was that a 40 Mbps, K = 4, rate 1/2 decoder with
3-bit quantization is feasible using either four parallel 10 Mbps decoders employing TTL
logic, or one decoder employing MECL II 1/2 logic. Introduction of the new MECL
10,000 high-speed MSI logic line appears to render a K = 5 decoder feasible at this data
rate with a resulting efficiency improvement of nearly 0.5 dB. For bit error probabilities
in the range of 10-3 to 10-5 , Viterbi decoders with 3 -bit quantization are competitive or
superior to sequential decoders using hard (1-bit) quantization. However, the latter
becomes preferable at error rates of 10-8 and below, as described in the section on
sequential decoding.
Cascaded Viterbi Decoding For a single data stream consisting of several information
sources of diverse origins, the data rates and channel bit error probability requirements
may differ widely. Little or no data compression of real-time video-type data produces a
large data volume for which bit error probabilities (PB) as large as 10-3 are acceptable. On
the other hand, some experiment data has required error rates of 10-6 or lower. A K = 4
Viterbi decoder requires about 2.5 dB more power to achieve a 10-6 bit error probability
compared with 10-3.
For this discussion, the data are classified into two categories: data type I with PB = 10-3
to 10-5 and bit rates of 107 to 108 bps; data type II with PB = 10-6 to 10-8 and bit rates of
104 to 106 bps. One method of more efficiently accommodating these data types6 is to use
cascaded coding (fig. 2). The basic high data-rate inner code will be assumed to be a

constraint length 4, rate 1/2 convolutional code with Viterbi decoding. The goal is to
find an outer code for the low-rate data that can reduce the error probability to the
required level. To avoid burst errors for the outer channel, interleaving can be
introduced. Five constraint lengths (or 20 bits for K = 4) are quite adequate to achieve
nearly independent errors. If the inner code has a rate RI and the outer code a rate RII,
then the composite code rate is

where x is the ratio of the quantity of data of type I to data of type II. For example, with
x = 10 and rate 1/2 inner and outer codes, the total code rate loss id 3.4 dB, where the
0.4 dB additional loss is due to the inner code. If x = 2 for the rate 1/2 codes, the
composite rate loss is 4.25 dB. Thus the resulting required increase in overall Eb/No is
0.4 dB and 1.25 dB, respectively.
To evaluate specific outer codes it will be assumed that type I data requires PB = 10-3 and
the lowest bit error probability that is needed for type II data is PB = 10-8. With inner
decoder PB = 10-3, the two-error correcting and three-error correcting BCH codes
(namely, the (I 5,7) and the Golay (24,12) codes) used as outer codes achieve a
PB . 2.1 X 10-7 and PB . 1.7X 10-9, respectively. The (15,7) code does not meet the
requirement for PB = 10-8 and the (24,12) code requires a moderately complex decoder. In
either case, block synchronization must also be implemented.
A more acceptable approach for the outer code is to use a very short constraint
convolutional code. A two-error correcting, rate 1/2 convolutional code gives
PB . 5X10-8, and the optimum three-error correcting, rate 1/2 code yields PB . 5.6X 10-10.
These results for the binary symmetric channel (BSC) assume a Viterbi decoder that is
simpler to implement than a decoder for the corresponding block codes. Further
reduction of the decoder complexity can be achieved with only a moderate increase in
PB, if the outer Viterbi decoder is replaced by a feedback decoder, which is nearly
optimum for the BSC.
Sequential Decoding While the cascaded decoding technique can provide very low
error rates for a small fraction of the data without significantly reducing the overall
efficiency, it is reasonable to provide for a growth potential to the point where half or
more of the data requires bit error probabilities of the order of 10-8. This situation will
occur even for color television channels if truly sophisticated, practical, highly efficient
data compression techniques become available. For this purpose, cascaded decoding
becomes very inefficient, and in fact, the most economical approach is to design for very
low bit-error probability for all the data.

With this goal in mind, the study6 was directed toward a comparison of the efficiencies
of the various convolutional decoders for data rates up to 50 Mbps and PB = 10-8.
Sequential decoders exhibit very steep performance (PB vs. Eb/No) curves, which render
them less desirable at moderate to high PB, but definitely superior at very low PB .
In designing a sequential decoder for very high speed operation, one is quickly forced to
limit the channel output quantization to two levels (one bit). The reasons for this are
several, the two most important being: 1) since the computational effort is variable,
several thousand branches of received quantized data must be stored; a fixed buffer size
will allow storage of only one-third as many branches* if 3-bit quantization is used,
causing a considerably higher overflow probability; 2) while Viterbi decoding is
relatively insensitive to AGC variations,6 a change of 10% in AGC will cause significant
performance degradation in sequential decoding.
Computation effort is relatively insensitive to constraint length. Making K large assures
a low probability of undetected error. Then the primary cause of errors is buffer
overflows. The bit error probability due only to overflows is approximately
(2)
where F is the speed factor (computation rate/data rate), B is the buffer size (in
branches), " is the Pareto exponent and k is a constant which depends on the constraint
length and the resynchronization strategy after overflow. Table 1 shows the measured
Pareto exponent as well as the undetected bit error probability for a constraint length
K = 37, rate 1/2 systematic code decoded by a Fano sequential decoder, operating on
8X106 bits in each case, in real-time simulations.
Table 1. Measured Pareto exponent and undetected error probability
for modified Fano sequential decoder operating on 8X 106 bits
Eb/No,
dB
4.7
4.9
5.1
5.5
5.8

*

Channel symbol
error probability

"

PB

0.043
.039
.035
.030
.025

0.97
1.12
1.29
1.44
1.66

2.5X10-5
1.5X10-5
0
0
0

At low data rates, this reduced storage can be compensated for by increasing the computation
speed, but at 50 Mbps data rates, only small speed factors are possible.

The Pareto exponent is essentially maximized using the Fano algorithm. However, the
average number of computations per bit can be reduced by algorithm modifications,
which are easily implemented. The effect of one such improvement, “modified quick
threshold loosening,” is shown in figure 3. The average number of computations per
branch, c̄, is reduced by almost one-third, although the Pareto exponent (asymptotic
slope of the curve) is unchanged.
With this algorithm modification, a complete sequential decoder with K = 41 and rate
1/2 was designed for operation at 40 Mbps.** It employs a 64X103 bit (branch) buffer and
provides for a maximum computation rate of 108 computations per second resulting in a
speed factor F = 2.5. This very high speed is achieved by using MECL III logic in the
algorithm functions where speed is most critical. The remainder of the system uses
MECL 10,000, MOS, and TTL logic. With this long constraint length the predominant
source of errors is buffer overflow; complete system simulations with these parameters
show that PB = 10-5 is achieved at Eb/No . 5.2 dB. Performance at the PB = 10-8 level
appears to require approximately 1 dB more.
For sequential decoding, lack of symbol synchronization can be detected by observing
the metric behavior just as for Viterbi decoding. Here the difference between metric
threshold loosenings and tightenings (in the Fano algorithm) are counted. When this
number exceeds the capacity of the counter, the symbol position is changed and
resynchronization is initiated.*** Also, as discussed in the section on Viterbi decoding,
this number can be used during synchronized operation as a channel reliability
parameter.
With sequential decoding, resynchronization must be initiated not only whenever
incorrect symbol sync is detected but much more frequently, every time an overflow
occurs. The “guess-and-restart” strategy’ involves setting the syndrome to zero
(corresponding to no information errors for a systematic code). If the guess was correct,
or nearly so, the decoder ultimately arrives at the correct path. Otherwise, overflow
recurs and a new guess-and-restart is initiated. This may cause the loss of several
thousand branches. During this decoder failure period, the uncorrected information bits
of the systematic code are output. However, since the channel error probability is less
than 4%, only a few hundred bit errors will occur whenever overflow occurs. The
combination of the above events results in the bit error probability expression of
equation (2), with K . 200 in the range of Eb/No between 5 and 6 dB.

**

It is being fabricated under Contract NAS2-6411.

***

For Viterbi decoders operating on short constraint length codes, code resynchronization is
automatic once the correct symbol sync is achieved.

For the decoder described, operation with speed factors as low as F = 1.5 will be
possible, provided error requirements are relaxed or Eb/No is increased, resulting in
potential data rates in excess of 60 Mbps. At a data rate of 40 Mbps, the coding gain of
the sequential decoder is approximately 4.4 dB at PB = 10-5 and nearly 6 dB at PB = 10-8.
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Fig. 1 - Bit Error Rate vs. Eb/No for Rate 1/2 Viterbi Decoding.
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SPACE BASE COMMAND SYSTEM*
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Summary The singular feature dominating the design of a space base command
system is without question the requirement for an extremely low probability of an
erroneous command. In view of the expected number of commands to be transmitted
during the lifetime of a space base mission and of the expected cost of an erroneous
command, it was concluded that the message error probability should under no
circumstances exceed 10-18 for any extended period of time. The command link,
however, was to be operative at signal-to-noise ratios as low as 8.35db (single energy per
information bit to single-sided noise spectral density). At this signal-to-noise ratio, the
probability of a bit error without coding would be 10-4.
Other requirements influencing the command system design include the requirement that
it be capable of serving as a command message relay between the ground and as many as
15 ancillary vehicles and that it also accept for transmission to any of these vehicles
messages originating on-board the space base itself. The system is required to handle
messages with differing priority levels at a rate of up to 1000 18 bit command per
second.
The command system which evolved from these requirements can be separated
functionally into three basic components: the ground-link decoder, the command
controller, and the cross-link encoder.
The command controller is designed to perform a variety of functions. It must be capable
of accepting commands originating either on-board or on the ground and arriving via the
up-link; it must generate the required acknowledgement and route the commands to their
proper location; it must store those commands intended for subsidiary vehicles, transmit
them in order of priority, wait until their receipt is acknowledged, and retransmit those
not acknowledged within an acceptable length of time. Since the average delay between
transmission and acknowledgement should be significantly less than the maximum delay
(the round-trip time via synchronous satellite between two antipodal satellites can be as
large as 1/2 second), the transmission del-ay could be effectively reduced by tailoring the
*
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interval between transmission and retransmission to the actual round-trip propagation
time. This was accomplished by utilizing a “coherent acknowledgement” procedure, in
which each vehicle in the command system network acknowledges each received
command, even those not intended for that vehicle. This enables the processor to keep a
running record of the transmission delay associated with each vehicle and to know
precisely when a transmitted message should have been positively acknowledged. The
ground link decoder and the cross-link encoder were both designed around the same
coding scheme. Of the several techniques investigated, a concatenated coding scheme
was found to offer the greatest throughput with the least amount of hardware. The
scheme involves the concatenation of a (15,9) Reed-Solomon outer code (over GF (24))
with an (8,4) binary biorthogonal inner code. The demodulated signal is quantized to
three levels, with one level recognized as “one”, a second as a “zero”, and a third,
indeterminant, level identified as an “erasure.” The inner decoder is designed to correct
one error or up to two erasures. If a word is found to contain more than one error, more
than two erasures, or any combination involving both errors and erasures, it is not
decoded. The outer decoder then treats these undecoded words as symbol erasures, and
will correct up to two such erasures. Any outer word containing more than two erasures,
or any detectable errors, however, is rejected, and a retransmission initiated. The
resulting decoder is only slightly more complex than the encoder and is accordingly
exceedingly simple relative to a decoder designed to exploit the full error and erasure
correcting capability of such a code. Yet, the scheme described does achieve the desired
reduction in message error probability with a message rejection rate of less than 0.5% at
threshold.
It was estimated that the complete space base command system could be packaged, using
C-MOS LSI technology, in a volume of 37.5 in.3, weighing 4.8 lbs., and requiring only
5.5watts of power. The decoder itself would require only about 6 in.3, 0.8 lbs., and 1 watt
and hence would be capatible with even the simplest of ancillary vehicles likely to be
associated with the space base.

URBAN SYSTEM ANALYSIS AND MODELING
MISCHA SCHWARTZ
Polytechnic institute of Brooklyn, N. Y. 11201

Electrical engineers, aerospace engineers, physicists, chemists, and other engineers and
scientists with skills developed in the defense and space effort have begun gropingly to
seek to apply their expertise to the solution of social problems. Key among these are
problems of our urban environment. In this tutorial talk we focus, with examples, on
some areas of city life and government in which engineers and scientists have already
begun to play a role, or in which they might eventually become involved. This implies
engineers working closely with lawyers, economists, planners, government officials,
consumer groups, community groups, and others, in developing acceptable solutions to
the problems.
We first discuss briefly applications from the areas of instrumentation, communication
and telemetry, data processing, and control technology, to the urban setting. For
example, we note in the talk the need to develop instruments for pollution measurements
and control, environmental sensing, traffic control, transportation, etc. Absorption and
reflective (i.e. radar type) techniques involving infra red, laser optics, etc., have been
suggested for instruments required to measure and monitor various pollutants in the air
and water, in situ and dynamically. Traffic instruments that sense car flow, velocities,
density of traffic, types of traffic, etc., are needed.
Efficient transmitter-receiver systems are needed to telemeter the environmental, traffic,
and other data measured to central processing stations. The expected increase in data
traffic due to increased use of telemetry plus widespread commercial data flow, projected
home and individual user data needs, computer utility requirements, and the like, makes
vitally important the development of comprehensive and efficient urban data networks.
Add to this increased requirements for mobile communication systems that accommodate
all types of emergency communications (fire, police, health and medical), public carrier
(taxi), radio telephone, and others, and one has some extremely difficult problems
relating to urban communications that will have to be solved. Public, private, and
technological constraints will all have to be considered in their solution. As an example,
it is apparent that work is urgently needed on the question of more efficient spectrum
allocation and usage in crowded urban areas. The concept of Spectrum will of necessity
have to be broadened to include time and space (geographical) allocations as well as
frequency allocations. Radio and cable systems, data and voice networks, will have to be
mixed in some equitable fashion. Should there be regulation of these? Should there be
one communications utility for a given region, should there be competitive private

systems? What is the public’s interest in all of these questions and how would it best be
served? Urban regions, particularly in the case of communications, cover many political
jurisdictions. Should the Federal government, state, and municipalities involved all play
a role in the resolution of these questions? This is obviously one area in which
technology and public policy questions are highly interrelated and in which engineers
will have to work closely with public officials, representatives of user groups, public
interest groups, etc.
In the next and major portion of the talk we consider the newly-arising area of urban
system analysis. This area ranges broadly from operations research analyses for more
efficient allocation of resources, to urban modeling for planning purposes, to traffic and
transportation studies. In all of these, systems analysts, systems engineers, computer
specialists, etc., are playing significant roles.
Examples include the application of systems techniques to such public systems as
education, public welfare, housing, waste disposal, police, the criminal justice system,
fire, hospital, and medical care. Here systems analysts and engineers work with the
public agencies involved to more efficiently allocate resources, set up performance
standards, develop methods for monitoring performance, develop models of the systems
involved for forecasting and data gathering purposes, develop more realistic planning
and programming procedures, etc.
Some case studies available for fire, housing, police, and sanitation, among others, and
actual implementation of some of the approaches suggested by systems analysts indicate
that significant improvements in service may be obtained at no or very little additional
cost. There are difficulties in implementing some improvements or changes suggested
because of entrenched bureaucracy. The natural suspicion aroused by “new-fangled”
ideas and concepts often slows down the introduction of new approaches to fire fighting,
crime detection and prevention, or to waste disposal, as does the very natural scepticism
of experts in the field that such newcomers as the analysts can contribute to solutions of
real-life complex problems. But those examples of the successful introduction of systems
concepts show that it is possible to develop a close working relationship between analyst
and expert in the specific public system under study. Cooperation and working together
is in fact necessary since the performance objectives and real constraints on solutions
suggested are often best known by the officials involved.
Traffic and transportation are of course fields that have been well developed by
engineers over the years. But here too systems approaches are proving themselves
important in improving the capability of both private and mass transportation systems.
The systems concept broadly considered includes interaction with all aspects of city
living and the city environment. Future transportation systems must be developed not
solely for the purpose of coping with the projected traffic requirements effectively and
efficiently, but must have minimal effect on the environment Modern transportation

studies consider the effect of alternative approaches on population movement, on the
possible dispersal or relocation of industry. They incorporate projections on changes in
living habits, working conditions, leisure-time activities. They include as important
factors esthetic considerations, minimal dislocation of people, jobs, and neighborhoods,
questions of noise and air pollution, etc.
We conclude the talk with a discussion of the area of urban modeling and planning. Here
engineers are beginning to work with urban planners urban geographers, urban
sociologists, urban economists, and political scientists, among others, in developing
quantitative models of the overall urban system. This includes studies of the dynamics of
population and employment growth (or decline), of the movement of people and jobs, of
changes in the population mix (age, income, class, race), of the interaction between city
and suburbs. There are two important reasons for these studies. First is the fact that basic
understanding of the dynamic processes underlying the urban system is still lacking. The
modeling involved in attempting to quantitatively study the dynamics of the urban
system can only lead to increased knowledge about this extremely complex process. It is
in the setting up of quantitative models of the urban system, in the solution and
interpretation of the systems of equations involved that the systems engineer, working
closely with the planners and other specialists, can play a key role.
Secondly, it is apparent that the systems activities noted earlier--public systems analysis
and transportation studies for example, rely heavily on forecasts of the distribution of
population, housing, and employment, throughout an urban area.
Two contrasting examples of urban models are described in this talk. The Forrester
approach to modeling seeks to describe the dynamics of a self-contained small urban
community. The model is completely ad hoc, non-spatial, and quite complex (128
nonlinear difference equations). Computer experimentation is used to explore the
ramifications of the model. Applications to specific communities would presumably
require checking the appropriateness of the various equations, or modifications to
accommodate specific data. The Lowry Model of Metropolis on the other hand was
originally conceived as a static, spatial model. (It was developed over a decade ago as a
first approach to modeling Pittsburgh). It attempts to find the equilibrium distribution of
population (housing) and jobs(industry) in a large metropolitan region. The model is
very simple to understand, using a market potential and trip-distribution approach to
relate jobs and housing. Some further extensions have incorporated aspects of the time
element into this model.
Both models are deterministic in nature. The possibility of developing stochastic
formulations is considered in this talk. Examples are given of simple approaches that are
both dynamic and spatial, connecting the two contrasting aspects of the Lowry and
Forrester models. Under stationary (equilibrium) conditions the solutions here, in an
average sense, should agree qualitatively with those found by using Lowry-type models.
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Introduction Remote monitoring of biomedical information from humans and animals
requires satisfying many constraints simultaneously. Among these constraints are: (1)
size, (2) weight, (3) power consumption, (4) reliability and (5) cost. Most of these
constraints can be satisfied by applying techniques developed for microminiaturized
packaging of electronic circuits for defense-related systems. These techniques use a
small ceramic substrate similar in function to a printed circuit board. Upon this substrate
is placed chip devices such as transistors, diodes, capacitors, and integrated circuits
which are then interconnected to form a functioning circuit. By using this approach,
complex circuits can be built inexpensively and within reasonable size constraints.
In order to illustrate what can be accomplished by using the techniques of hybrid
fabrication, the development of an eight-channel Biomultiplexer package is discussed.
This eight-channel Biomultiplexer, when coupled to a small, lightweight transmitter,
forms a very useful biomedical tool. With this tool it is now possible to achieve remote
monitoring and virtually real time analysis on a host of body function signals.
Hybrid circuitry was thought to be an interim technique useful for providing
microminiaturized circuits until the need for hybrid circuitry could be completely
eliminated by the advancement of monolithic technology. The consensus now is that
hybrid technology provides a capability to, produce circuits of such diversity as to never
be replaced entirely by monolithics. Again, the Biomultiplexer combines analog and
digital circuitry to accomplish its functional mission. The present state-of-the-art in
monolithic circuitry could not be called upon to solve the same function. In addition, the
relatively small number of Biomultiplexers needed by the existing market would

preclude the use of monolithic techniques by cost considerations alone. It is with this
reasoning in mind that the following information is presented. Not that the
Biomultiplexer is, in itself, an earth-shaking achievement, but that the techniques used in
its fabrication and design can be used to further advance the utilization of electronics in
the field of biomedical telemetering.
Hybrid Methodology Figure 1 shows what is being done to increase the density of
electronic packaging. Most of the devices consumed today come in “standard” packages.
There axe DIP’s (dual-in-line packages), the TO series, and a host of others too
numerous to mention. These packaging techniques serve but one function - to provide
electrical connection from the chip to the outside world so that the devices may be
mounted in PC boards, etc.

Fig. 1 - Size Reduction by Hybrid Methodology.
The chip (die) itself occupies only a very small portion of the volume alloted to discrete
packaged devices. To conserve space, the individual packages are discarded and many
chips are mounted on a common ceramic substrate. This provides a dramatic reduction in
volume while providing an increase in reliability. Performance can be tested at the
breadboard level since there is a close correlation between the hybrid unit and the
breadboard. This cannot be said for the monolith circuit, since paracitics found in a
monolithic circuit often change performance drastically.
Another important consideration is that a wide spectrum of different circuit types can be
accommodated. Analog and digital circuits can be combined along with large valued
capacitance, an achievement not yet possible with monolithic technology. The low
operating frequency range of the Biomultiplexer would have to be accommodated by
direct coupling in monolithic technology. Such an approach would be contrary to many

applications in the biomedical field because of the high dc potentials found at many
points of origin of signals in the human system.
The Biomultiplexer Work accomplished at UCLA led to the need for a small,
lightweight telemetering system for the transmission of electrical information such as
EEG (electro encephalogram), EOG (electro oculogram), EMG (electro myogram), and
EKG (electro cardiogram). Initially, these signals were to be supplied from an orbiting
chimpanzee in which the unit was to be surgically implanted. With the current interest in
monitoring the biological functions of humans, it was a natural step to apply the device
to this much more challenging area.
The electrical design was performed at UCLA using standard breadboarding techniques.
To reduce power consumption to a minimum, use was made of low-power OA’s for the
amplifying and signal conditioning analog portion. Currently, Fairchild FA735 lowpower amplifiers are used. Consideration is being given to using the later FA776
micropower amplifier because it is Internally compensated, has lower power dissipation,
and appears to have better noise characteristics than the FA735. Work is underway to
determine the desirability of changing over to the FA776.
Figure 2 shows the schematic representative of the analog amplifier channel. Clearly, the
significant number of components around each amplffier to make an internally
compensated amplifier, with its need for fewer components, an attractive alternate.
Table I lists some of the salient characteristics of the overall analog amplifier. Particular
attention should be given to the requirement for subaudio response of the amplifier. This
requirement forces the designer to use large valued capacitors which are undesirable
from a micro-miniaturization standpoint.
Figure 3 illustrates the translation process for a very simple circuit. The entire circuit
undergoes this type of translation to be placed in hybrid form. Depending on the
complexity this process may take one or two days or up to a full week for very complex
circuits. The entire process from schematic to hybrid circuit typically ranges from four to
five weeks. Two of the major holdups are obtaining chip devices and substrates if they
have some unique shape.
Translation of the analog amplifier to a hybrid unit begins with making artwork 50:1.
Figure 4 shows the geometrical representation of the schematic shown in Figure 2. The
50:1 size is necessary to obtain resistors of the proper accuracies. Conductive pads are
used for mounting the chip devices. The composite mask is then used to prepare the
individual masks which form a mask set. These are also at 5 0: 1, and are cut from
rubylith on a light table.

Fig. 2 - Biomultiplexer Analog Channel Schematic.

Table I
TABLE OF ANALOG AMPLIFIER ELECTRICAL PARAMETERS
Bandwidth (3 db)
Input Impedance
Common Mode Rejection
Gain
Dynamic Range
Noise Figure

0. 5 to 100 Hz
>30 megohms
> 100 db
1000 nominal (adjustable)
3 microvolts to 5 millivolts (gain = 1000)
<2 microvolts p-p (referred to input shorted
with 50K ohms)

Fig. 3 - Translation of a Circuit to a Geometrical Representation.

Fig. 4 - Biomultiplexer Analog Channel Layout.
The mask set contains a mask for the conductor paths and one mask for each of the
different resistor ink ranges used. For the analog amplifier, there is a total of four
different masks - one for the conductor path, and one each for the 1K ohm per square, the
10K ohm per square, and the 10 megohm per square resistance ink ranges required.
Figures 5 through 8 show the mask set. The 50:1 masks are reduced 1:1 for use in
printing of the substrate by the thick film hybrid process.

Fig. 5 - Amplifier Substrate With Conductor Paths.

Fig. 6 - 10K Ohm Per Square Resister Pattern Added.

Fig. 7 - 100K Ohm Per Square Resistor Pattern Added.

Fig. 8 - 10 Meg Ohm Per Square Resistor Pattern Added
Screens are then made using the 1:1 masks which allow the ink to pass through the
screen and be deposited on the substrate. The conductor ink is deposited on the substrate,
dried and fired first, since this ink is fired at a higher temperature than resistor inks. Each
resistor is printed and air dried one at a time prior to a final firing. The overall amplifier
substrate size is 0.34 x 0.54inchesandcontains 11 components.

The next step is to check the substrate resistors for proper tolerances using a probe set
coupled to an ohmmeter. The components are then mounted, and the circuit is ready for
tolerancing. Figure 4 shows the substrate with all the chip devices attached. Wirebonding
is used to interconnect the chip devices.
Tolerancing for the amplifier substrate is accomplished dynamically. The circuit is
operated at the laser resistor trim station, and the resistors are trimmed to obtain the
proper operation of the circuit. This is by far the most desirable technique since proper
circuit operation is assured. An alternate technique often used in the past is to trim the
resistors to proper value at the unattached die level and then assemble and test to assure
proper operation. The latter approach is seldom used now, since a much higher yield can
be obtained by dynamic circuit tolerancing.
Multiplexer Subassembly We can now turn our attention to the multiplexer
Subassembly. A circular substrate was used because of end item application. The actual
multiplexer circuitry was placed at the center of the circular substrate. Figure 9 shows
the layout of the circular ceramic substrate mother board. Only conductive paths are used
since most of the chip devices that are mounted on it are digital. The timing RC time
constant was devised by using both chip capacitors and resistors. The chip resistors can
be trimmed for the proper timing interval.
The logic devices used were from the RCA 4000 series line. Still lower power may be
obtained from the new lower power 4000A line. We expect perhaps an order of
magnitude reduction in power by use of devices such as the new lower-power CMOS
line and the new lower-power OA’s such as the FA776.
The Biomultiplexer Subsystem Figure 10 shows how the amplifiers are placed on the
ceramic mother board, After the amplifiers are cemented in place, they are wirebonded to
the mother board. This approach yields, in essence, a multilayer system at a fraction of
the tooling costs for a multilayer ceramic substrate. Naturally, if volume runs high
enough, a multilayer ceramic substrate may be economically desirable.
The finished assembly is 6.35 cm in diameter and about 0.97 cm thick. A circular
ceramic cover is placed over the unit to provide environmental protection. The
Biomultiplex assembly, less the cover, is shown in Figure 11. Power consumption is 480
microamperes at ±2.7V DC.
Solderable pads are provided at the periphery of the unit to allow for connection to
probes or sensors. Any number of attachment media, such as pins, are adaptable to this
packaging approach. Pins can be wedged in holes in the ceramic, for example, if many
reattachments axe anticipated.

Fig. 9 - Biomultiplexer Mother Substrate

Fig. 10 - Substrate on Substrate Packaging Scheme

Fig. 11 - Eight Amplifiers Assembled on Mother Substrate

Biotelemeter The overall system block diagram is shown in Figure 12. The transmitter
itself was constructed utilizing a cordwood (3D) approach. Size could be reduced further
by using hybrid techniques here also, but time and cost considerations made the 3D
approach more desirable. Excellent performance of the system has been achieved with
close correlation between the breadboard unit and the miniaturized version.

Fig. 12 - Biomultiplexer/Transmitter Block Diagram
The Biotelemeter provides eight high quality channels of PAM information. The
sampling rate chosen was 256 pulses per second for the 100 Hz bandwidth. Sampling
rate is easily modified for any given application. The power consumption of the digital
multiplexer is directly proportional to the sampling rate. Thus, for any given application,
the sampling rate should be kept as low as possible, consistent with good signal
reproduction.
The present size of the transmitter is 2.5 cm x 1.25 cm x 1.25 cm. Power consumption of
the transmitter is variable, but can be as low as 180 microamperes at ±2.7v dc, which
yields a range of approximately 20 feet. A range of about 300 feet is possible by
increasing the current drain to 400 microamperes at ±2. 7v dc. The transmitter frequency
is 90 MHz.
Conclusions The techniques developed for high-density, defense-related
microminiatruized electronic circuits are ideally suited for biomedical applications. A
Biomultiplexer has been fabricated utilizing these techniques, and has operational
characteristics almost identical to those of the breadboard unit. A later unit, which is
planned, should display an even further reduction in power consumption and better
performance. Devices of this nature are applicable to the biomedical field for the
monitoring of vital body functions while minimizing patient discomfort and increasing

the patient mobility. The application of the latest lowpower analog and digital devices
makes further power reductions feasible.
Summary The applications of hybrid circuits to the medical field are relatively new.
Recent advances in low-power devices and knowledge obtained from medical personnel
have led to the development of an eight-channel hybrid thickfilm Biomultiplexer. Power
drain has been reduced dramatically at little or no sacrifice in performance. Typical
power drain is 480 microamperes at ±2.7v dc for the eight channels. A unique design
approach was taken to enchance the Biomultiplexer yield by using a “substrate on
substrate” fabrication technique. Tailoring of the unit was accomplished by laser
trimming the feedback resistor in the amplifier. Particular attention was given to the
noise characteristics of the IC chips used for the amplifiers. Noise performance tests
were conducted on the individual amplifier substrates prior to mounting them on the
circular ceramic mother board.
A medically-oriented telemetering system was constructed by connecting the hybrid
Biomultiplexer to an FM transmitter. The system is capable of transmitting biological
information such as EKG, EOG, EEG, etc. , to a remote receiver for monitoring
purposes. This allows the subject almost complete freedom of movement while providing
complete information on many vital biological functions.

RADIOTELEMETRIC CARDIORESPIRATORY DETERMINATIONS
DURING SUBMAXIMAL DYNAMIC EXERCISE
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Summary Under normal conditions, healthy people at submaximal exercise show a
close correlation between work load and cardiac output (i.e. oxygen uptake versus heart
rate, respectively). Subjects with chronic bronchospastic disease respond to specific
bronchodilators(e.g. isoproterenol) with increases in heart rate -- even without exercise.
New bronchodilators (salbutamol) which do not exert such an influence on the heart rate
are being studied for their effect on “exercise induced asthma.”
Measurements of airway resistance(RA) and thoracic gas volume (Vtg) during dynamic
exercise (treadmill) pose complex instrumentation problems. The radiotelemetric
determinations of specific airway conductance (GA/Vtg where GA = 1/RA) now appear
practicable. The acquisition of such data in conjunction with other radiotelemetered
measurements (heart rate from R-R interval) indicate that patients with chronic
bronchspastic disease, when treated with bronchodilators, may tolerate physical exercise
more safely.
Introduction Cardiorespiratory parameters which are influenced by training and have
been measured at rest and during submaximal work have been reviewed by Astrand.1
During submaximal treadmill exercise, Belke2 has shown that there is a linear
relationship amongst systolic blood pressure, respiratory frequency, carbon dioxide
output, oxygen consumption and pulse rate. Since oxygen consumption and heart rate
show a close correlation and are indicative of work load and cardiac output, respectively,
these readily measurable parameters are most commonly monitored during treadmill
tests. Work capacity is calculable, and heart rate is easily monitored by radiotelemetry of
the electrocardiographic signals. The measurement of airway resistance has not yet been
possible during dynamic exercise and this is one of the parameters that provides the
needed information for the evaluation of bronchodilator therapy of patients with
pulmonary disease.

Methodology To date, whole body plethysmography has been the technique for the
determinations of airway resistance(RA) and thoracic gas volume (Vtg). To acquire these
data, the subject must be placed within a sealed box (static condition). This transition,
although only necessitating a delay of 15 seconds under optimal conditions, does not
permit of other simultaneous measurements. Furthermore, such data no longer
corresponds to exercise(i.e. is not on-line); and, if denoted as “end-exercise”, is not so,
but really the first datum point in measurements of the recovery phase. It has been shown
in normals that the pattern of recovery from exercise, determined by pulse rate alone, is a
useful index of physical fitness for hard muscular work.3
In a report of measurements of specific airway conductance during exercise, Kagawa and
Kerr4 incorporated a bicycle ergometer within the “body-box”. Unfortunately, the
technique required cessation of pedaling activity and stoppage of the ergometer “to
prevent vibration from interfering with the plethysmographic measurements.” This,
while decreasing the transition period, is still not “on-line”. Moreover the data was
derived using normal subjects.
Subjects with chronic bronchospastic disease who have limitations, whether pathologic
and/or psychologic, in their ability to perform strenuous work, require special
consideration. Acute asthmatic attacks, triggered by exercise, may preclude a
standardized time sequence of measurements. Thus the desirability of continuous on-line
measurement is evident to permit a flexible schedule. Such a technique would not only
ensure better patient tolerance but also improve medical care by providing a greater
margin of safety.
In the evaluation of bronchodilator agents to determine their efficacy in extendin
tolerance of asthmatics to physical exercise, Steen et al5 noted the necessity for on-line
measurements of airway resistance. One of ten patients in a recent study6 went into an
acute asthmatic attack whilst exercising on the treadmill. This occurred at a time less
than that which the patient had previously tolerated for the fixed work capacity levels to
which all were subjected. Recovery was so slow that no further data could be obtained
on that subject who later required individualized therapy.
Radiotelemetric monitoring of the electrocardiographic signals of both normal and
asthmatic subjects during exercise presented the expected motion-induced artifacts.
Since the pulse rate,as determined from the number of R-R intervals, was of prime
consideration rather than waveform abnormalities of myocardial potentials, adequate rate
information was obtained following experimental optimization of electrode placement in
this study. Contrary to expected results, determinations of specific airway conductance
(measured off-line by whole body plethysmography) showed an increase immediately
following strenuous exercise (treadmill).

This phenomenon, surprisingly enough, was also elicited in non-medicated asthmatics
whose exercise induced asthma was the anticipated result (i.e. a decreased specific
airway conductance).6 To eliminate the tachycardic effects (even at rest) of a commonly
used bronchodilator, isoproterenol, a new betaadrenergic receptor_stimulating drug,
salbutamol, was used in a subsequent study,7 because it was shown to have negligible
effects on heart rate even in large doses.8 Similar findings for specific airway
conductance were obtained in asthmatics who received both salbutamol and placebo. Of
note, was the fact that marked differences occurred at the immediate post-exercise time
period (15 seconds) as compared to more traditional ones measured at 5-minute postexercise intervals. Specifically, the response to placebo was shown as an increase in
GA/Vtg immediately post-exercise with subsequent decrease in the recovery phase prior to
its return to the pre-exercise range; whereas, no such immediate post-exercise increase
was seen following active drug therapy. This emphasizes the need for continuous on-line
data acquisition of this important respiratory parameter, for the interpretation of drug
effects, if any, must be properly placed within the framework bounded by respiratory
pathology, pharmacologic medication and timing, as well as the physical activities of the
patient.
New Technique An approach to acquire such on-line data requires the elimination of
the body-box which serves only to quantitate the volume changes during respiratory
activity in a sequence of flow and no-flow cycles. These volume changes are not equal to
the volumes inspired in that compression and expansion of the inspired gases takes place
in the elastic container which is the lung. These changes, sensed as box pressure changes
(PV = constant; Boyle’s Law), serve as the common denominator to relate flow (when
there is a normal pressure gradient) and mouth pressure (when there is no flow).9 The
bracketed ratios in equations 1, 2, and 3 are traditionally determined from the tangents of
the angles which Lissajous patterns form with the horizontal, when the appropriate
signals are cross plotted oscilloscopically; box pressure is the horizontal variable.10 (See
photograph number 1.) The relationship between pressure and flow, albeit measured
during sequential cycles, determines the airway resistance (RA = l/GA ).

The volume of gas in the lungs (Vt,,,) may be calculated from the product of the known
pressure it the moment of respiratory reversal (atmospheric pressure) times the ratio of
the body volume displacement (due to thoraco-abdominal excursion) to the pressure
change which caused the displacement (no-flow).

From these parameters specific airway conductance is calculable as GA/Vtg.
In performing the two measurements, the no-flow condition imposed upon the subject
necessitates the insertion of a mechanical occlusive device (solenoid operated shutter).
To obviate this constraint, one of the authors (R. Crane) has shown that the
determination of GA/Vtg does not require the no-flow condition. Thus, the occlusive
device (and the closed shutter relationship derived therefrom) is superfluous, when only
the relationship GA/Vtg is of interest.

This greatly reduces the instrumentation problem to one of replacing the box as a
measure of thoraco-abdominal volumetric changes.
Several methods of obtaining the volume of the thorax and abdomen have been
described. Strain gauges made with silastic tubing, filled with mercury, have been used
to encircle both these portions of the human anatomy. These transducers, with
appropriate circuitry, provide signals which vary during respiration. Two signals from
thoracic and abdominal dimensional changes were compared with other known
measurements for total volume from which coefficients were derived to yield an
empirical formula.11 Impedance plethysmography(ZPG) is another technique in which a
portion of the body is a component of an alternating current Wheatstone bridge.12 This
concept is dependent upon the variation of the electrical impedance caused by the
alteration of the body composition during the respiratory cycle. Placement of the
electrodes for the insertion of the appropriate carrier frequency as well as for detection of
the resultant impedance change is critical. Pathology may shift the burden toward
abdominal breathing. Furthermore, in the asthmatic, shifts between abdominal and
thoracic components are common and vary depending on many factors other than
exercise. One example is whether the measurement of airway resistance is during
spontaneous respiratory activity or requires that short rapid breathing maneuvers
(panting) be performed. Another observation is that such shifts are seen in subjects
whose psychiatric states vary abnormally.11
By utilizing the impedance plethysmographic technique (ZPG) it is often possible to
greatly simplify the electrode placement and the electronics of the telemetry system. One
pair of electrodes is sufficient to provide both the ZPG and ECG information; the
electrodes are placed at mid axillary and mid nipple line, and are connected to two
separate circuits in parallel. In one they provide the electrical potential of the
myocardium directly to an appropriate ECG preamplifier. In the other, they complete the

four arm a-c operated Wheatstone bridge. The ZPG excitation and detection circuitry
convert the carrier signal to a slowly varying d-c proportional to respiratory filling. Thus
the subject will be minimally encumbered in the optimal case wherein only thoracic,
rather than a combination of thoracic and abdominal breathing occurs, and where muscle
artifact considerations allow a trans-thoracic pickup for ECG.
Automation of the individual variables, RA and Vtg, has already been performed.13,14 The
simplification offered by the shutterless technique described herein reduces the hitherto
high economic barrier to the application of computer methodology in whole body
plethysmography.
The elimination of the body-box should so simplify the technique that many more studies
will be undertaken to monitor this significant pulmonary index (GA/Vtg). Both mercury
and impedance plethysmographic methods are amenable to radiotelemetric transmission
over the FM-FM IRIG compatible multiplex system. The use of IRIG channel
assignments and multiplexing standards in commercially available miniature telemetry
systems permits excellent noise-free transmission over practical hospital laboratory
environments, with a minimum weight transmitter module worn by the exercising
subject. (See photograph number 2.) The use of the 215 to 260 MHz band, rather than
broadcast F-M (88 to 108 MHz) has eliminated the competition for clear channel space
observed so often in metropolitan centers.
A direct read-out (DVM) of the specific airway conductance is mandatory if true on-line
data is to result. This type of monitoring provides the clinician with information for
optimizing patient care.
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Several loops during panting are stored on the oscilloscope display. The smaller loop in
the upper half of the screen depicts the relationship of airflow to change in box pressure
when the subject panted through the open apparatus. The mouth shutter was then closed,
and the lower loops show change in mouth pressure versus change in box pressure when
the subject continued to pant. The upper beam moved along a horizontal plane during the
latter maneuver, indicating that airflow was zero during panting efforts against a closed
shutter.

Two channel FM-FM telemetry transmitter for ECG and ZPG on separate IRIG subcarriers, and one transmitting carrier in the 215-260 MHz band. (Courtesy of Bio-Sentry
Telemetry, Inc., Torrance, California.)
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Summary Telemetry and telemetric techniques are of increasing significance in
clinical medicine. Diagnostic data is acquired in this way for both manual and automated
interpretation or processing. It has become practical to assemble clinical monitoring
systems from non-custom equipment. Clinical biotelemetry is reviewed briefly, and a
recent composite system is described in some detail.
Background The first devices of technical sophistication were those intended for
animal implant. These systems permitted acquisition of data related to nearly every
physiological function. It was even practical to close the loop; to provide feedback
stimulus. The term “telestimulus” was coined. These systems were not applied to humans
due to the inherent risk of implant surgery. Later, these implant techniques, developed
for telemetry, were responsible for the clinical success of cardiac pacemaker implants in
humans.
Human biotelemetry owes much of its development to man’s ventures into hostile
environments. Of particular significance have been the “man-in-space” program and
“man-in-the-sea” program. It has been essential to determine the physiological changes
that occur with prolonged exposure to weightlessness and high pressures. The
physiological parameter telemetered most often in these programs has been
electrocardiographic data. Among the many technical advancements has been reliable
long-term cutaneous electrodes.1
Perhaps the first clinical application of biotelemetry was in monitoring cardiac patients
during their normal every-day activities, Among the equipment developed were small,
pocket tape recorders. They use such basic telemetric techniques as FM subcarriers. Both
long and short range FM/FM radio telemetry are now in common use for monitoring
ambulatory coronary patients. Such radio telemetry is also utilized for monitoring
malignant tumor activity, thus determining efficacy of various therapeutic procedures
and agents.2 Endoradiosonde techniques show great promise for full-scale diagnostic use
in the near future.3

Hard-wire biotelemetry has been in fairly continuous use since the early sixties. In recent
years the demands of the data-processing industry have decreased the cost and greatly
increased the feasibility of this technique. Figures 1 through 5 illustrate the major
variations in biotelemetry.
Biotelemetry has contributed importantly to medical and biological research. There has
been increasing clinical application, first in various areas of clinical research and, more
recently, in the everyday delivery of health care. Characteristic of the new technical
maturity is the increasing off-the-shelf availability of sub-systems and systems for
clinical, as well as research, purposes. Recently, there has been some attempt to apply
I.R.I.G.4 and other standards of interfacing and sub-carrier frequencies. If this trend
continues, practical clinical systems will be more numerous.
An Expansible Coronary Care Monitoring System This system combining RF and
hard-wire telemetry, provides an excellent overview of current clinical biotelemetry.
Component sub-systems are, almost without exception, off-the-shelf items. This
monitoring system is complementary to protecting the “electrically-susceptible patient”
from microshock, as well as macroshock and ignition hazards.
It is important that coronary patients be continuously monitored by specially-trained
medical personnel. This can be accomplished with great flexibility by combining hardwire monitoring within the coronary care unit with telephonic and RF telemetry outside
of the Coronary Care Unit. Should it be necessary, it is practical to extend the monitoring
to incoming ambulance vehicles. Since the technology of clinical biotelemetry is quite
mature at this time, we will concentrate on the systems engineering of such an expanded
coronary care unit monitoring system rather than on details of subsystems.
The patient load of a coronary care unit is never completely predictable. The bed
capacity within the unit is severely limited by economic factors. Transient overloading is
quite common. The system under discussion permits continuous monitoring at the Unit
Console, of patients located anywhere. These patients may either be in the Unit, in
general-care beds, or ambulatory, permitting monitoring of both seriously-ill over-flow
patients and patients that are recovering. Figure 6 illustrates the system flexibility.
For the most part, coronary care patients are in the catagory of “electrically- susceptible
patients.” Protection from shock hazards must be provided in the Unit by special power
systems and “equipotential grounding”. Remote patients are protected by the electrical
isolation of air coupling to the telephone system and temporary procedures at bedside.
When RF telemetry is utilized, no protective measures are necessary.
Modern technology is, today, applied throughout the entire health care complex, but is
nowhere more concentrated than in areas organized to provide coronary care. The design

of an effective, safe Unit is, like all design, primarily an engineering responsibility. The
task is to meet the present and future medical needs within the technical and economic
constraints. Biomedical Engineering is characterized by multidiscipline systems
engineering. A systems approach is necessary to integrate the modern medical
environment of specialists, instrumentation, computers, and communications into
effective systems.
Throughout the design of the Coronary Care Unit, electrical safety must be a primary
consideration. A subsystem interacts with other subsystems and the personnel. This
interaction determines electrical safety as well as the efficiency of the Unit.
The acute care facility consists of all permanent portions of power, signal, and lighting
sub-systems. Initial design decisions relate to the protection of the “electricallysusceptible patient” as well as the performance, and interaction of these sub-systems.
The power sub-system influences decisions in all other areas. For example, telemetry
may be used to monitor bedside-acquired signals at the nursing station in order to
prevent violation of an isolated power sub-system at bedside.
Regardless of the protection method, the electric design must include two factors: a
“local grounding system” of proven integrity, encompassing the patient’s immediate and
personal environment, and isolation from the building’s power distribution system. In the
design and construction of the facility and ancilary equipment we can greatly reduce the
electrical hazards. We can never completely eliminate the consequences of human failure
in either utilization or in maintenance. Consequently, personnel and their training
become an important part of the systems engineering responsibility.
Three general categories of patients are continuously monitored by specially trained
medical personnel at the Coronary Care Unit Console: 1) those in beds within the Unit,
2) those in beds elsewhere in the hospital (anywhere with telephone service), and 3)
those recovering ambulatory patients not confined to bed. Referring to Figure 6, it is
clear that all these acute and intermediate patients may be monitored at the Unit Console.

Within the Unit, conventional bedside monitors are utilized. The derived
electrocardiographic signal(. 05 to 150 cps) however, is not applied directly to a signal
cable for monitoring remotely. Rather this signal frequency modulates an audio subcarrier oscillator. The sub-carrier tone is applied to the signal cable passing through a
special audio isolation transformer at the Unit Console. The frequency modulated subcarrier is demodulated and the recovered electrocardiographic signal is utilized in the
usual display, recording, and rate monitoring sub-systems. By adherence to I. R.I. G.
Standards, “remote patients” are monitored at the Unit Console with identical sub-carrier
demodulators.

The remote patient, confined to bed, is provided with an electrocardiographic
preamplifier, an FM modulator similar to those used in the Unit and an air coupler to
provide access to the hospital telephone network. The patient is protected againt
microshock hazards by the use of battery power and the electrical isolation provided by
air coupling with regard to monitoring. When additional appliances or instruments are
required in this patient’s immediate environment, reduntant grounding, portable isolated
power centers, and other precautionary measures must be utilized.
The ambulatory patient is monitored with conventional R. F. telemetry usually of short
range. The pocket transmitter provides an FM/FM signal that is acquired by the
telemetry receiver, usually located at the nurses’ station. Although the recovered
electrocardiographic signal is available at this receiver for monitoring, the speciallytrained medical personnel are usually not available. For telemetry over the telephone
network to the Coronary Care Unit (where these personnel are continuously available),
we require an audio tone modulated with the electrocardiographic information. You will
note in Figure 6 that the RF receiver has the modulated sub-carrier available for air
coupling to the telephone instrument. Thus a sub-carrier demodulation and remodulation,
with some signal degradation, is avoided. Since this sub-carrier is also I.R.I.G.
compatible, the demodulator at the Unit Console is identical to the demodulators used in
monitoring within the Unit and remotely at bedside.
In Conclusion We have outlined the trend toward utilizing biotelemetry in clinical, as
well as research medicine. A recently designed clinical monitoring system has been
described as an example of this trend. Biotelemetric techniques have permitted, 1)
improvements of flexibility, 2) greater patient capacity, 3) reduction of electrical
hazards, and 4) economies in the monitoring and power systems.
The Coronary Care Unit system design work, the example of modern clinical
biotelemetry was supported by the Pennsylvania Hospital of Philadelphia. Although we
are indebted to many members of the Hospital’s medical and administrative staffs, the
technical contributions of Dr. Peter F. Binnion, physician in charge of the Coronary Care
Unit, and Mr. Joseph Daniel, Director of Building Services, have been of primary
importance.
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Figure 1. TYPICAL IMPLANTABLE BIOTELEMETRY

Figure 2. QUASI PASSIVE IMPLANTABLE BIOTELEMETRY

Figure 3. PASSIVE IMPLANTABLE BIOTELEMETRY (RADIOSONDE)

Figure 4. TYPICAL CLINICAL TELEMETRY

Figure 5. TELEPHONIC OR “HARD WIRE” TELEMETRY

Figure 6. AN EXPANSIBLE CORONARY CARE MONITORING SYSTEM

REMOTE MOINITORING OF INTRACRANIAL PRESSURE
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Summary During various pathological states, it is important for the neurosurgeon to
know the magnitude of intracranial pressure. It is desirable to have a device small
enough to be implanted and left in a trephine hole on a chronic basis, with associated
circuitry that would lie beneath the skin surface. An appropriate device is described. The
heart of the device is a strain gage bridge that is used to sense differential pressure. The
bridge is driven by a 5kHz astable multivibrator, and bridge unbalance frequencymodulates a 100kIlz oscillator. The latter signal is telemetered through the skin via a
double-tuned transformer. Power to drive the implant is fed in through a second
transformer at 2MHz.
Introduction During the development of space-occupying lesions in the brain, and
during other pathological states such as steroid unbalance and production and
reabsorption disorders of cerebrospinal fluid, it is often extremely important for the
neurosurgeon to know the magnitude of intracranial pressure so that decisions can be
made concerning surgical intervention. An example of this might be the case of a patient
from whom a brain tumor had been removed, but whose symptomology indicated that
other tumors might be developing, raising the intracranial pressure to damaging levels.
Another instance is in children who have had a “shunt” procedure for hydrocephalus
where a chronic pressure measurement would be of inestimable value.
In addition, various seemingly anomalous situations are known to occur and a sustained
knowledge of pressure would be of great value. Instances of these are the so-called low
pressure hydrocephalics where there is a progressive enlargement of the ventricles
without apparent increase in intraventricular pressure above standard norms.
The normal pressure is 13 cm water (1cm mercury), but chronic pressures of 30 to 50cm
water (2.2 to 3.7cm mercury) are encountered in situations where damage can occur.1

At the present state of the art2 the surgeon may leave a drainage tube in place at the time
of surgery and use it to make pressure measurements or to alleviate elevated pressures,
but this has obvious disadvantages. Sometimes blocking of the tube occurs and there is
always the possibility of infection resulting from the use of an exteriorized tube. Also,
from the patient’s point of view there is the unpleasantness associated with the cosmetic
aspects of a sound or tube.
It would be desirable to have a device small enough to be implanted and left in a trephine
hole on a chronic basis, with associated circuitry that would lie beneath the skin surface.
one can then continuously monitor intracranial pressure remotely; that is, without the
necessity of exteriorizing any wires or tubes.
The Pressure Transducer We are designing and constructing an appropriate device. It
will first be tested in dogs before implantation in a group of selected patients.
The heart of the device is a strain gage Wheatstone bridge ( Sensotec Model M-6BW)3
that is used to sense differential pressure. The bridge is encapsulated in a small (almost
5/16 inch diameter ) cone. As shown in Fig. 1, each arm of the bridge has a resistance of
about 200 ohms. The base of the cone is in the form of a diaphragm. As the diaphragm
strains in response to differential pressure, the arms change resistance, thereby
unbalancing the bridge. The inside of the cone is vented through a long plastic tube
which also carries the lead wires. The surgeon must terminate the tube in a region that
will not form scar tissue which could block the vent.
The advantage of using a bridge sensing device is that it has excellent long-term
stability.
The bridge unbalance frequency-modulates a 100kHz oscillator, and the latter signal is
telemetered through the skin via a double-tuned transformer. Power to drive the implant
is fed in through a second transformer at 2MHz.
The Implant Portion Circuit details of the implant portion of the device are depicted
in Fig. 1 and are described as follows:
The bridge is driven by a 5kHz astable multivibrator which is operated between ground
and - 3 volts in order to get bridge output voltages that are small (-0.34 volt) with respect
to ground. The base exponential starts at -5.3v and turns the transistor on, after
t = 100 Fs, at -2.3v. The required time constant is 120 Fs, which is supplied by 47k ohm
resistors and 2500 pF capacitors.
The bridge output is amplified by a CA3008 flat-pack integrated circuit operational
amplifier. This draws only about 1 ma under + 3v, - 3v supply conditions, and it has a

gain of some 60dB. The single-ended output should have an average voltage of
approximately zero; if not, a large resistor (experimentally determined) is connected
from the + 3v supply to one of the input terminals to yield zero average. The amplifier is
linear between + 1 and - 1 volt output excursions.
The 5kHz CA3008 output is applied to the base-return resistors of a 100kHz astable
multi. The base exponential then rises toward the CA3008 output voltage level; this
leads to frequency-modulation of the multi. With zero CA3008 output, the base
exponential starts at -5.3v and turns the transistor on, after t = 5 Fs, at - 2.3v. The
required time constant is 6 Fs, which is supplied by 47k ohm resistors and 120pF
capacitors.
A maximum peak deviation of 5kHz is reasonable; that is, the frequency should vary
between 95 and 105kHz. The corresponding FM bandwidth is 2(Peak Deviation +
Modulating Frequency) = 2(5 + 5) = 20kHz. Circuit Q’s are approximately given by
Carrier Frequency/Bandwidth = 100/20 = 5. Actually, because several stages will be
used, the circuit Q’s should be around 3. It is not practical to use Q’s of less than 3
because circuit responses become excessively unsymmetrical.
Returning to the 100kHz astable multi: It is a simple matter to calculate that a frequency
of 95kHz corresponds to a CA3008 output of - 0.17volt, and 105kHz corresponds to an
Output of + 0.17 volt. A final adjustment is therefore made as follows: With the strain
gage bridge submerged under a differential fluid pressure of 50cm water, an
experimentally-determined
The 100kHz output coil taps-in across two 470 ohm resistors. For a Q of 3, the coil
reactance should be approximately 300 ohms, corresponding to an inductance of 0.5mH.
This tunes with a 5000pF capacitor. The coil is wound on a 1 1/4-inch diameter form.
For a ring-wound coil, the wheeler formula4 reduces to L = N2D/18 where L is the
inductance in FH, N is the number of turns, and D is the diameter in inches. Substituting,
we get N = 85 turns. The coil form is hollowed out and all of the components (except the
strain gage and power supply) fit inside.
Power is supplied at a frequency of 2MHz to minimize cross-coupling with the 100kHz
output. The design of the power transformer is based on the following considerations:
For two ring-wound coils, the coefficient of coupling is given by5

where Sis the spacing between the coils. In our case, where the coils are separated by the
patients’ skin and hair, S – 1/4 inch. For D = 1 1/4 inch, the above equation gives
k = 1/3. For double-tuned transformers, efficient transfer of power requires critical
coupling, or Q = 1/k = 3. In other words, the 2MHz coil should see a load such that its Q
is 3.
Each of the multis draws 1.5 ma, CA3008 takes about 1 ma, and 1 ma through a Zener
diode gives a total load of 5 ma. If this is supplied at 7 volts, we get a power output of
35mW. For a full-wave rectifier, the voltage across the coil is 10 volts rms, so that the
coil sees 2800 ohms and its reactance should be 900 ohms. At 2MHz, this is
approximately satisfied by a 63 FH coil resonating with a 100pF capacitor. In agreement
with the inductance formula, the coil has 30 turns total. The coil is hollowed out to
accept the power-supply components,
A full-wave bridge rectifier is also possible, especially since 4-diode flat-packs have
become available.
The lead wires between the coil assemblies and the pressure transducer are each about 3
inches long. The assemblies are filled with waterproofing wax and covered with medicalgrade silastic rubber. They are gas sterilized at room temperature at least one week
before implantation (this is the minimum degassing time).
The External Portion Circuit details of the external portion of the device are shown
in Fig. 2 and are described as follows:
The 100kHz and 2MHz external coils are strapped in place over the corresponding
implant coils. Stable positioning is aided by means of rounded lips in a shallow invertedcup arrangement.
The 100kHz coil voltage should be 0.7 volt peak, but it may be considerably less if the
primary is more than 1/4 inch away. The first transistor is therefore designed to give a
voltage gain of 50. Its collector waveshape is a sinewave that swings between + 12 volts
and zero.
The upper half of the above wave is clipped at the base of the second transistor by a 470
ohm series resistor. (The resistor also lowers the coil Q to 3) The bottom half is clipped
by driving the transistor into cutoff. The clipping serves to remove incidental amplitude
modulation.
A discriminator that is driven by a critically-damped double-tuned transformer has a
linear region6 that extends 0.4 fo/Q to either side of the center frequency, fo. Because the
intracranialvpressure device has an FM bandwidth of 20kHz centered on 100kHz, we

require a Q of 4 (and coefficient of coupling of 1/4). The 1200 ohm resistors accordingly
act as damping and load elements.
The power oscillator is a conventional Hartley grounded-collector type.
Operation of the Device In order to use the device, the operator first switches the
built-in voltmeter to the “Amplitude Adjust”position. He then increases the amplitude of
the 2MHz oscillator until the amplitude of the 100kHz telemetered signal no longer
increases. This indicates that the Zener diode is regulating. He next switches to the
“Pressure” position. The voltmeter then actually reads the peak AC output of the
discriminator, but it is calibrated to read intracranial pressure in cm of water.
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Fig. 1 - Implant portion of the intracranial pressure device.

Fig. 2 - External portion of the intracranial pressure device.
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Summary A prototype microwave radar anticipatory crash sensor for automotive
applications is described. This system is for prospective use in conjunction with passive
occupant restraints--protective devices that require no action on the part of the occupant
to insure their effectiveness. Appropriate antenna configuration and circuitry permit
position, velocity, and size discrimination of the target in a simple manner. Results of
field tests are discussed, including the manner in which system parameters and target
characteristics relate to the tradeoff between false alarm rate, miss rate, and system
complexity.
Introduction Transportation safety is a growing area of activity for electronic
instrumentation engineers The field of air transport safety engineering has been both
important and glamorous for years. Recently there has been an upsurge of activity in
ground transportation safety, both rail and automotive. This development promises new
areas of application for sensing, measuring, and data handling techniques, with
operational constraints different from those usually encountered.
Automotive safety, while seemingly less glamorous, is actually fax more important than
air safety as far as the possibilities of saving lives, limbs, and dollars is concerned.
Government and Industry are presently engaged in a broad-based program coverning the
entire field of auto safety. Every component of the vehicle and of the vehicular
environment is being studied for possible improvement.

Of prime importance is the program to develop restraint systems to protect auto
passengers from the dangers of the “second collision”--the one between the occupant and
his own vehicle--that follows the first by milliseconds. Development of advanced seat
belt and shoulder harness systems is one approach under study. Another approach,
designed to counter the dismal tendency of people to not buckle their belts, is the
investigation of “passive restraints”--restraints that require no occupant action to actuate
their protective features. The most widely publicized type of passive restraint is the “air
bag.” There are others as well.
System requirements Most of the systems under investigation include occupant
restraining devices that are actuated or deployed only during a collision. In order to
maximize effectiveness of these devices, it is desirable to initiate the deployment process
immediately prior to physical contact of the automobile with another object. The reason
for this fact is the finite time required for deployment of restraints, the velocities of the
restraints themselves during the deployment process, and the corresponding forces
encountered. Gaining additional time between deployment and physical contact in
collision is most important for compact and sub-compact autos, in which acceleration of
passenger compartments during collision increases far more rapidly than in large sedans,
requiring far more rapid operation of the restraint system.
Obviously, any crash sensor must possess extreme reliability in detecting actual
collisions. Further, it must possess near-complete freedom from inadvertent actuation-either when no collision occurs, or when the collision is of minor nature.
Compromise is necessary in the design of any crash sensor system. In an anticipatory
system, the problem of separating actual crashes from false alarms becomes more acute
because of the large “window” as measured in time or distance that the system “sees” at
a1l times. An anticipatory system must offer greater benefits in terms of occupant safety
during a crash than liability in terms of false alarms. And to be cost effective in general
automotive use, it must do this at a very low price.
The System We have developed a prototype anticipatory crash sensor which has
promise of satisfying the above criteria. The sensor is now being tested and evaluated on
a domestic sub-compact auto.
The sensor is a simple CW microwave doppler radar system that operates at a frequency
of 10 GHz and a corresponding wavelength of 3 cm. A block diagram of the system is
shown in Figure 1. Separate directional antennas a-re used for transmitting and
receiving. The antennas are mounted at either end of the automobile’s grille and axe
aimed so that the centerlines of their patterns cross at a point 1 to 2 meters ahead of the
grille. For a microwave signal to be received at the receiving antenna, a target object
must be present in the region of space intersected by the fan-shaped pattern of each

antenna, so that some of the transmitted microwave beam is reflected or scattered into
the receiving antenna. Figure 2 shows the antenna locations on the test car.
The microwave signal source is a Gunn diode that produced a continuous 100 mw
microwave signal. The Gunn diode operates from a 12volt car battery and draws
0.5 amps. The diode is held in a waveguide mount which is fastened to a short section of
waveguide incorporating a signal-sampling probe. The waveguide section in turn is
fastened to the transmitting antenna.
Signals from the signal-sampling probe and the receiving antenna axe added together
and fed to a microwave detector diode. The detector output voltage depends upon
whether the signal from the receiving antenna adds in phase or out of phase to the sample
of transmitted signal. As a reflecting target in front of the auto moves one half of a
wavelength relative to the auto, i.e., 1.5 cm, the detector output voltage goes through a
maximum and a minimum. In terms of the relative velocity of target and auto, the
frequency at which the detector output voltage varies, i.e., the doppler frequency
fd = 30 vrelative Hz, where vrelative is in mph. The detector output, i.e., the doppler signal, is
seen to fall conveniently in the audio range, varying between 450 Hz at 15 mph at
6,000 Hz at 200 mph.
The doppler signal is amplified in a high-pass amplifier with a lower cutoff frequency of
450 Hz. This eliminates received signals due to targets that do not represent a great
threat because of low relative speed. The amplified doppler signal is then processed by a
threshold amplifier for which the instantaneous output is +3 volts when the input is
above an adjustable threshold value, and -0.5 volts for any smaller input. The purpose of
this amplifier is to discriminate against targets so small that they would not be a threat in
spite of high relative velocities.
The threshold amplifier output goes to a “second detector” stage consisting of a rectifier
diode-resistor-capacitor combination which gives a staircase output ascending to some
steady-state value in response to a square-wave input. When the staircase passes a
selected value, it triggers the gate of an SCR, causing a light to flash on in our test
system, indicating actuation. All of the circuitry following the detector diode is mounted
on a printed-circuit board. Figure 3 shows the “black box” that holds the PC board.,
switches, potentiometers, and test terminals for controlling and monitoring the system.
This box is shown mounted under the auto’s dash.
The system design incorporates a number of built-in safeguards against false alarms. The
use of two antennas means that a small object cannot actuate the system by completely
blocking one aperature. Several doppler cycles are needed for actuation, and this insures
against actuation by transients generated,in the automobile’s electrical system. The
system only “sees” the region where both antenna patterns converge immediately in front

of the auto. This simple method of unambiguously determining target location helps
minimize overall system complexity, also aiding reliability. The antenna configuration is
shown schematically in Figure 4.
The sensitivity of the microwave “front end” of the system is a function of target size,
composition, and location. The variation of sensitivity as a function of target location
depends upon antenna patterns, antenna positions on the auto, and directions of the main
axes of the antenna patterns.
For a particular positioning and pointing of the antennas, and for a given target, the
sensitivity S of the system varies approximately as

where G1,2 (21,2 , N1,2) are the gains of the transmitting and receiving-antennas
respectively as a function of relative azmuth and elevation, and R1,2T are the distances
from the target to transmitting and receiving ant6nnas respectively.
The antennas currently being used are standard-gain horns with -3 db beamwidths of 26E
in both E- and H- planes. In tests to date, both antennas have been aimed inward at a 22E
angle relative to the axis of the automobile. The resulting sensitivity pattern is shown in
Figure 5. This pattern was measured by positioning a plane metal target of approximately
100 in2 crossection at various positions in front of the auto in the plane of the antenna
pattern axes and measuring received signal strength with a calibrated receiver.
Note that these antennas and antenna orientations are not to be regarded as optimum, but
have proved to be useful in the early testing of this system concept.
The positioning of the antennas has a measurable effect upon the variation of doppler
frequency as a function of target position, for constant relative target velocity. One
doppler cycle is produced at the microwave detector output each time the total path
length from transmitting antenna to target to receiving antenna changes by one
microwave wavelength. There axe ellipsoidal surfaces of constant relative phase, i.e.,
constant total path length, that have the antennas as foci.
Obviously this geometric effect causes an ambiguity in determining target velocity from
doppler frequency. This factor must be taken into account in determining antenna
characteristics and doppler thresholds. However, it should not prove to be a very difficult
problem to surmount as far as overall system operation is concerned.
Figure 6 shows the schematic diagram for the signal processing circuit. The first-stage
amplifier has a voltage gain of 800 and a lower cutoff frequency of 450 Hz. Filters at the

input and output also have cutoff frequencies of 450 Hz. The characteristics of the two
filters and the amplifier combined give a low-frequency roll-of f of -30 db per decade
below 450 Hz.
The potentiometers adjust the input level to the threshold amplifier to the desired
sensitivity level for triggering. When signals appear at the threshold amplifier input with
maxima greater than the threshold level, the threshold amplifier output is a square-wave
signal of constant maximum amplitude. When the output reaches a certain level, the SCR
is switched on, lighting an indicator light and actuating other indicating devices.
Figure 7 illustrates haw the signal levels vary at vaxious points in the circuit when a
simulated doppler signal, produced by a tone-burst generator is applied at the input. By
adjusting the parameters in the circuit it is possible to change the number of doppler
cycles required for actuation.
Test Results Our microwave crash sensor triggers when the automobile on which it is
mounted encounters a simulated target of large size at velocities greater than 15 MPH.
This has been routinely shown by running into large cardboard boxes covered with
aluminum foil. The sensitivity potentiometer can be adjusted to give various threshold
target sizes. Adjustment can vary the minimum size for triggering of an aluminum foil
patch from less than 10 in2 to more than 200 in2. For a target of given size, triggering is
also a function of sensitivity as a function of position. A large target always causes
triggering slightly farther away from the auto than does a small target.
In order to measure the response of our system to various real and false-alarm targets, a
series of field tests is being conducted. During these tests, an amplifier circuit with a
very low lower cutoff frequency is used in place of the high-pass circuit. The automobile
is then rolled slowly up to various objects, and the linearly amplified doppler signal is
recorded on a tape recorder. The tapes are played back in the lab, and the signals are
observed and photographed using an oscilloscope. Stereo tape decks are used, with one
channel for data and one for voice narrative.
To date, doppler signatures of a sizeable number of objects have been obtained.
Examples of some of these are shown in Figures 8 - 11. In the pictures of the doppler
bursts for every object except the corrugated bridge roadway, one first observes a low
residual signal due to return from the road surface. As the target is approached, the signal
amplitude increases. As the driver brakes to a halt a few inches from the target, the
doppler frequency decreases, and the signal eventually falls to zero amplitude.
One sees that in the first three cases, the maximum signal amplitude is an order of
magnitude larger than the normal road surface return for a large number of doppler

cycles. However, driving across the corrugated steel roadway of the bridge produced a
maximum amplitude fa,irly near that of some of the targets.
Much more data must be collected to determine what antenna pattern and circuit
parameters give sufficient discrimination between real and false-alarm targets.
Conclusion Field testing as described in the previous section is continuing. The data
now being obtained is being used in specifying parameters for different parts of later
systems based on our current one. Extensive attention is being given to use of two or
more parallel microwave front ends with spatial regions of high sensitivity oriented to
give optimum spatial coverage. Advanced concepts for individual components are being
investigated.
Characteristics of the antenna patterns in the vertical and horizontal directions are being
studied to determine what patterns are optimum in light of environments encountered.
Recent advances in antenna technology have led to X-band antennas with directional
properties equal to horns that can be inexpensively fabricated in strip-line form. These
antennas are small and rugged as well.
It appears that all of the electronics on the PC board could be fabricated in one 14-pin
flat-pack, should the market warrant. A number of microwave manufacturers now have
in development integrated microwave front ends for systems such as Mrs. These contain
the microwave diode source, power sampler, antenna terminals and detector diode all in
one small rugged package.
One further area of current investigation is the use of a microwave crash sensor in series
of parallel with other crash sensing systems to provide an overall system with
characteristics superior to any single system. In such combined use, it is felt that the
compromises necessary in simultaneously determining acceptable miss and false-alarm
probabilities would be fax less severe.
Further effort is required to determine the ultimate usefulness and practicality of the
microwave approach to crash sensing. Under the influence of the great anticipated
rewards of success, work continues.

Figure 1. Block diagram showing the functional components
of the microwave crash sensor.

Figure 2. The test automobile. The antennas are located on either
side between the headlights and parking lights.

Figure 3. The “black box.”

Figure 4. Schematic representation of
how antenna patterns are used in
determining target position.

Figure 5. Sensitivity pattern as a
function of target location,referenced
to point of maximum sensitivity.
This pattern is for small targets.

Figure 6. Schematic diagram of the doppler signal processing circuit.

Figure 7.

From top to bottom, traces indicate simulated doppler pulse into
first-stage amplifier, output of threshold amplifier, output of second
detector, and load voltage. The tone burst is a kHz sine wave.

Figure 8.
(a) The doppler signature of a tree.
(b) The tree, of 50 cm diameter.

Figure 9. (a) The doppler signature of a concrete signpost.
(b) The signpost, with 13 cm crossection.

Figure 10.

The doppler signature obtained from the rear of a fullsize American sedan.

Figure 11.

The doppler signal received while driving across the
corrugated metal roadway of a bridge.
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Summary A prototype instrumentation package has been designed and fabricated to
furnish quantitative information about the stability of an ocean navigational buoy. A
total of fourteen electro-mechanical transducers were included in the package to yield
attitude, acceleration, and mooring chain tension information about the buoy. By
utilizing a six channel telemetry data system and a 4-channel command telemetry system,
continuous data from selected sets of transducers were recorded and used to determine
the types, sensitivities, and ranges of instrumentation best suited to this application. The
number of telemetry channels chosen represents the “best guess” number required in the
final program which will consist of five separate instrumentation packages. By
integrating the two telemetry systems in the prototype unit, a flexibility of operation was
realized that yielded large amounts of useful data at a minimal cost.
Introduction Navigational aids are used to assist a navigator in determining his
position or course, and to warn him of dangers or obstructions. The stability of a buoy as
an aid to navigation is of importance in payload design and in the calculation of the
probability of detection of the aid in given sea conditions. Buoys provide information by
shape, color, markings, and by more sophisticated devices such as beacon lights, bells,
and radar reflectors. These latter devices are designed to be effective within a given
motion envelope. If the buoy motions exceed this envelope, the utility of the aid will be
reduced and the probability of detection and recognition will be decreased.
A buoy widely used today is the Coast Guard standard 8x26 type shown in figure 1. The
number is indicative of the size of the aid which measures 8 feet in diameter and 26 feet
*

This work was supported by the U.S. Coast Guard under Project Plan Agreement
CG01.

in length. When placed in the water the position of a buoy is constrained by a mooring
chain attached to a massive concrete sinker. The weight of a single buoy system,
including the buoy, mooring chain, and sinker, often exceeds ten tons. Because of the
extreme environmental conditions experienced by the buoy, corrosion of the color coded
exterior, marine fouling of the chain, and physical damage to the active devices on board
are common. To correct these problems, the Coast Guard employs a fleet of specially
equipped ships called buoy tenders. Each buoy system is serviced annually by a tender at
which time the entire system must be removed sufficiently from the water to be inspected
and any necessary repairs made. Normal service also includes checking the position of
the buoy and replacement of the battery packs and light bulbs.
In addition to this type of annual maintenance, every lighted buoy is taken ashore at three
year intervals for a complete overhaul. The equipment and manpower required to
perform these dangerous and time-consuming tasks account for a sizeable portion of the
Coast Guard budget.
In an effort to reduce the maintenance cost involved with aids to navigation, the Coast
Guard is considering the use of a new series of buoys constructed of plastic materials.
These buoys exhibit better anti-corrosion characteristics and weigh one-third of the
system they are designed to replace. This would greatly simplify the maintenance
performed by the tender by increasing the length of maintenance intervals, reducing the
size of the handling equipment, decreasing crew size, and allowing for a safer operation.
The obvious unknown about these new buoys is their stability, that is, how do the
motions and excursions compare to those of the currently used standard 8x26. To
determine a quantitative value for this stability, the Coast Guard engaged the
Transportation Systems Center to develop and fabricate an instrumentation and data
handling system which could be used to evaluate various configurations of buoy
systems.
In this paper, the physical parameters to be measured will be discussed as will the
mechanical transducers chosen for the prototype unit. Specific attention will be focused
on the telemetry system used to command the instrumentation into operation and to
transmit the data to a ground based recording station. A qualitative discussion of the
results of the prototype conclud6-the report. Model studies of three systems have
previously been performed by Lockheed Space and Missiles Division and an attempt will
be made in the future to correlate these studies with actual ocean data.

Stability Parameters To accurately describe the stability of a buoy, the following
parameters were chosen to be measured:
(a)

Heave Displacement - the vertical displacement of the buoy center of gravity
caused predominately by wave action. A small shallow buoy would be expected to
closely follow the wave action while a heavier deep draft structure would be much
less effected. It is desired to know the heave characteristics of navigational buoys
which would lie between these extremes.

(b)

Heave Rate - the time rate of change of vertical displacement. This parameter will
be used with the displacement to generate a transfer function defining the buoy
heave motion as a function of the sea state.

(c)

Neutral pitch angle - the average angle of tilt of the buoy center line from local
vertical. A neutral pitch angle other than zero would indicate a prevailing wind,
current, asymmetrical mooring or a combination of all three.

(d)

Neutral roll angle - an angle similar to the neutral pitch angle but about an
orthogonal axis.

(e)

Pitch Excursions - the amplitude of the motions about the neutral pitch angle.

(f)

Roll Excursions

(g)

Pitch Rate - time rate of change of pitch excursions.

(h)

Roll Rate

(i)

Mooring line tension - the tension in pounds of the mooring chain including the
static weight of the chain and the dynamic change caused by varyin sea states.

It is useful at this stage to introduce an example illustrating the importance of the above
measurements. Consider a small buoy equipped with a flashing light and a radar reflector
mounted on the superstructure. The heave motion is important in order to specify the
type of radar target presented. That is, how high above the mean water line in heavy seas
should one expect to detect a target, and for what length of time will the target be
visible? Now assume the divergence half-angle of the beacon light beam is 3E and a
small boat is approaching at night in the pitch plane of the buoy. If the buoy has assumed
a neutral pitch angle of 4E, and the sea is calm it will be virtually useless and the
probability of the boat detecting the aid is near zero dependent upon the light intensity.
However, if a wave motion developed which caused the buoy to pitch back and forth
about this 4E neutral pitch angle with a maximum amplitude of 2E, this probability is

increased because the buoy attitude would be within the 3E limit more of the time. In
general the length of typical mooring chain is three to five times the depth of the water in
which it is used. Each link is constructed of 1 1/2" diameter steel and is 10 inches long
by 6 inch wide. Two hundred feet of this chain weighs in excess of three tons. It is felt
that the chain is oversized and the Coast Guard is considering the use of wire or even
nylon rope to replace the bulky chain. The tension measurements will help clarify the
issue.
Data on the above parameters, in addition to benefitting the navigator, will also enable
the Coast Guard to determine the type of aid best suited to the conditions that prevail in a
given sea location. Optimization of the light and target characteristics, superstructure
design, chain length, and sinker size may also be based on this data resulting in an
increase in the probability of detection of navigational aids.
Transducers in the Prototype Unit To measure the parameters specified above,
electromechanical transducers were chosen to interface with the telemetry system. The
selection of the transducers was governed by accuracy, frequency response, power
requirements, weight, size, expected life, and, of course, cost.
Heave motion characteristics were furnished by miniature potentiometric accelerometers
having a range of ±5 G’s and a flat frequency response from zero to twenty hertz. One
accelerometer was mounted with the sensitive axis parallel to the buoy centerline, while
an additional unit was placed in each of the arbitrarily chosen pitch and roll planes.
Using the pitch and roll data from other transducers, the output of the three
accelerometers was vectorily summed and the vertical and horizontal components of the
total acceleration calculated. Integration with respect to time of the vertical acceleration
data yielded vertical velocity or heave rate, while an additional integration resulted in
displacement information. Three additional potentiometric accelerometers were included
to form force couples in each of the pitch, roll, and yaw axes to determine the angular
accelerations. For comparison purposes, a variable reluctance type accelerometer of
range ±1 1/2 G’s was also placed parallel to the buoy centerline as a reference for
judging the potentiometric devices.
Two types of transducers were chosen to measure angular excursions of the buoy.
Pendulum inclinometers with potentiometric outputs in the ±45E range were placed in
the pitch and roll axes. Due to the inherent sensitivity of these instruments to lateral
accelerations, their use was restricted. To “smooth” the inclinometer data in the presence
of lateral accelerations, direct current vertical gyroswere used. The gyros chosen were
unique in that vertical alignment was obtained only in one axis while the other axis
erected to the angle of the instrument case. For this reason, two gyros were included in
the prototype to yield vertically referenced information in both the pitch and roll axes.
Finally, a load cell using a strain gage bridge was inserted into the mooring chain to

furnish tension data. The range of this device was 0-20,000 pounds with a maximum
tensile strength comparable to that of the mooring chain.
The instrument package in its weather-proof enclosure is shown in figure 2, and a bottom
view of the instruments and electronics is shown in figure 3. The total system, with
exception of the ground based antennas, is depicted in figure 4. Included in this view are
the instrument package, buoy antennas, load cell and cable, control console and
stripchart recorder.
Electronics Figure 5 is a block diagram of the electronic aspects of the instrument
package. The prime power is supplied by a 3000 ampere-hour lead-acid battery pack.
Power is routed directly to the command receiver and signal decoder through which four
separate command functions may be initiated. The command system which is activated at
all times draws a quiescent load current of 110 milliamperes. Because of the relatively
large current drains the gyro motors were assigned separate command functions. Each
motor would draw about a current of 1 ampere at start which after a period of 2 minutes
would fall to a value of 1/2 ampere. A third command function was used to activate the
telemetry transmission system. This is a standard FM-FM system using the first six IRIG
proportional subcarrier channels. The last command function was used to activate a
rotary stepping switch in which sixteen possible inputs were sampled in various
combinations through the first five subcarrier channels. The output of the tension cell
was differential as well as low level therefore it was permanently assigned to channel
six. Because most of the transducers had a potentiometric readout it was essential that
the applied voltage be closely regulated. This was done using a small self-contained
hybrid cermet thick film unit. With a 5 volt output the regulation was better than ±0.07%
for a 10% input voltage change over an extreme input voltage change of 22 to 32 volts
the regulation was better than ±0.25%. This feature permitted direct zeroing of the
system as well as a means of monitoring the battery voltage. To zero the system a
regulated mid-range voltage was applied via the stepping switch to all of the voltage
controlled oscillators while the subcarrier discriminators at the ground station were
adjusted for zero output. In another position of the stepping switch a voltage
proportional to the battery voltage was applied to one of the voltage controlled
oscillators. By comparing the discriminator output with the zero setting, the actual
battery voltage was easily discernible.
The ground station equipment was quite standard with the possible exception of the
gravity bias unit. This unit simply added corrective voltages in series with the
discriminators on certain channels at the time they were used to monitor the vertical
accelerometers. The magnitudes of these voltages were set to just bias out the one G
acceleration of gravity thus centering the outputs about the zero point. This was a
definite convenience in recording data for all of the readings were now compatible. In
the cases where a strip chart recorder was used this permitted the sensitivity to be

changed without having to readjust the zero point centering of the pens. With some
twelve possible combinations of inputs this feature proved to be a decided advantage
during the data runs.
The buoy antennas which were visible in figures 1 and 4 are of the simple quarter wave
ground plane type. Vertical polarization was used because buoys are generally free to
rotate about their mooring point. The vertical field strength patterns of these antennas is
approximately 90 degrees which is considered sufficient to provide coverage with even
the most extreme excursions of roll and pitch occuring.
The ground based antennas which were not shown are standard yagis with unidirectional
gains in excess of 9dB. The horizontal field strength patterns of these antennas with
vertical polarization is in excess of 35 degrees. This pattern was selected to permit
simultaneous coverage of a group of five buoys, which are the conditions that are
planned for future tests.
The present tests were conducted with transmitter powers in the 1 to 2 watt range. These
levels are also expected to provide a very adequate margin of safety in any future tests,
since the propagation path will be along a direct line of sight over water for distances
less than one half mile.
Prototype Testing and Data Reduction The purpose of the prototype unit was to
determine the types, sensitivities, and ranges of instrumentation required to adequately
measure the stability parameters, to evaluate the command and data transmission systems
for use on future units, and to illustrate the methods of preliminary data reduction.
Laboratory tests were conducted in addition to dockside evaluations. In the lab, the
prototype was placed in an oven and heated to 120EF for three hours. Subsequently, the
unit was placed in a food freezer at 0EF for three more hours. During these tests, the
command functions, transducers, and data transmission system operated successfully. As
an endurance test, the entire system was run continuously for 24 hours. Again, no
malfunctions occurred. Finally, the components to be secured to the buoy were given
submergence and water spray tests with the environmental integrity of the case proving
satisfactory. It is interesting to note that while the prototype case was indeed water tight,
“breathing” of air occurred as a result of temperature changes within the case. Since the
air in the buoy environment would contain a considerable content of moisture and salt,
an effort was made to minimize this “breathing”. The volume of air drawn in to the case
was directly proportional to the free volume in the case. By custom forming blocks of
plastic foam with a hot wire cutting tool, and securing them in the case, the free volume
was reduced 80%. Assuming a 100% relative humidity of the air surrounding the buoy
and the cyclic temperature changes, a quantity of silica gel dessicant packets were
included to offer six months of protection in which the relative humidity inside the case
would remain less than 40%, the value in most general purpose labs.

The dockside tests were conducted at the Coast Guard Station in Curtis Bay, Maryland.
The 8x26 buoy shown in figure 1 was outfitted with the load cell, instrument package,
antennas and associated cabling. The ground station equipment was set up in an
enclosure about one fifth of a mile from the buoy but still afforded visual examination of
the buoy motions. A modified mooring system was constructed for these tests and used
to impart heave motion to the buoy and also to vary the tension sensed by the load cell.
This was accomplished by “threading” a wire rope attached to the load cell on the buoy,
through a sinker on the bottom of the bay and returning the free end of the rope to the
pier. Sufficient forces were developed by pulling on this rope with a tractor. Angular
excursions were imparted by two men riding the buoy and simultaneously shifting their
body weight and also by a rope attached to the superstructure held by a third man on
shore. The entire series of dockside test were recorded on movie film with
synchronization of events via walkie-talkies.
In order to obtain the clearest picture of the data with a minimum amount of invisible
processing such as digitizing equipment, the prototype package was analyzed using
analog stripchart recordings of the continous data. While this method is most tedious, it
best represents the raw data. The final deployment of five similarly outfitted buoys will
most likely require a more automated data handling system but specifications of this
system are yet to be determined.
Conclusions The tests of the system validated the operation of the telemetry and data
reduction techniques and determined the ranges of transducers that would yield more
accurate measurements. Specifically, the buoy accelerations in this test seldom exceeded
one-half G and a reduction in the instrument range is indicated. Because of this small
range, the use of potentiometric devices may also be questioned. Placement of the
package on the buoy is also critical. If the unit is not placed at the center of rotation of
the buoy, tangential components of angular accelerations dominate the output of the
accelerometers located in the pitch and roll planes. These tangential components
similarly affect the pendulum inclinometers dictating that a center of rotation placement
is much preferred.
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Summary Two microwave system concepts are described, representing application of
telemetry and radar to grade crossing protection. Principle criteria for viable final
components include simple installation and maintainance, low cost, very high reliability,
and suitability to the difficult railroad environment. The first such system utilizes a, solid
state microwave oscillator (X-band) and simple receiver to provide a low power, low
information rate, short distance telemetry replacement for conventional track circuits. In
addition to potential cost reduction, this allows transmission of velocity and other
information for more sophisticated control, where warranted.
In addition, consideration is given to use of crossing-located doppler radar for train
detection and signal activation. Again, low cost with very high reliability is the goal,
with the additional benefit of acquisition of detailed information concerning non-uniform
train movements, rather than mere train presence or absence. The many practical and
legal obstacles to such innovation are substantial, but our studies to date indicate
considerable promise of meaningful improvements through systems such as those
described here.
The Rail Safety Act of 1970 gives the Secretary of Transportation, acting through the
Federal Railroad Administration, broad authority and responsibility for promotion of
safety in railroad operations and reduction of rail-related accidents. This goal is to be
achieved through prescription of rules and regulations, and through conduct of research,
development and testing. One major area - explicitly delineated in the Safety Act - that is
of grade crossing accidents. These account for nearly two-thirds of rail-associated
deaths; each year approximately 1500 people die and more than 3000 are injured in trainmotor vehicle collisions. One important contributing factor is the limited installation of
automatic warning devices, such as flashing lights and gates. Only 20% of the 225,000
crossings in this country have such protection, the remainder being marked only by
passive signs.

The relatively slow rate at which new automatic protective systems are being installed
(1000-2000 per year) is due in large part to the high associated costs--a simple flashing
light installation can easily require an expenditure of $15,000-$20,000 with gates costing
substantially more, and moderately complex installations having a price of as much as
$100,000. The expense of such systems is in part due to the very difficult environment in
which they typically must operate and the extremely high reliability required when
human life is involved. Protection costs are typically composed of three major
components: hardware, installation labor, and annual maintenance, and a serious attempt
at cost reduction must come to terms with all of these.
We have focused on the most expensive aspect of many installations activation of the
warnings. It is in techniques of detecting train presence, and communicating such
information to the crossing control circuits, that there is maximum opportunity for
meaningful cost reduction. This conclusion arises not simply through elimination of the
other aspects of crossing expense, but also from the knowledge that sensing and
communication of information is one of the most highly developed areas of modern
technology, and therefore represents a resource of great potential value to those activities
to which it has not yet been applied. An important goal, then, is development of a
sensing and communication system which not only reduces equipment costs, but also can
have major impact on installation maintainence and design costs, which are an
appreciable part of the total.
Systems currently in use are based on the track circuit concept, first used in 1872. A
signal source--either AC or DC--is electrically connected across rails (of an electrically
isolated section of track) at a point sufficiently far from the rail-highway intersection to
provide sufficient warning. (Typically 25-35 seconds is required; for 60 MPH rail traffic
this necessitates a distance of approximately one-half mile.) A signal detector--perhaps
merely a relay--is wired across the tracks at the crossing, so that when a train is between
source and detector the tracks are short circuited, and the detector receives no signal.
This condition-zero received signal--is the operational definition of train presence, and
the signal devices are activated. This system illustrates the essential “fail-safe” attribute
necessary in railroad safety systems.
The task may be simply defined. The basic requirement is transmission of information, at
a very low information rate, over a distance typically less than 3,000 feet. The system
must possess very high reliability under adverse environment, with essentially fail-safe
operation and infrequent and inexpensive maintenance. Optical, acoustic, or seismic
approaches all have clear and fundamental weaknesses. Simple cable is not sufficiently
reliable unless buried, and then becomes too expensive. On the other hand, radio
techniques seem quite suitable. Determination of system parameters requires
consideration of permissable frequency ranges, antenna size and gain, availability of
efficient, reliable, low-cost signal sources and freedom from either causing or suffering

from electromagnetic interference. Antenna considerations alone immediately suggest
use of a wavelength of one meter or less, or a frequency above 300 MHz, and reduction
of electromagnetic interference (both received and transmitted), as well as low
vulnerability to extraneous signals, strongly indicates the desirability of a highly
directional line-of-sight system. Also, a highly directional antenna system reduces waste
of energy, so that power consumption can be kept at a low level--simplifying power
supplies and reducing the size of batteries needed or eliminating the need for line power,
(This is a significant part of the cost of both initial installation and maintainance.)
construction costs and immunity to weather and vandalism limit the permissable antenna
size to an aperture of one - two feet, implying operation in the microwave range, at
wavelengths of 3 cm or less. At these frequencies (~10 GHz) transistorvaractor circuits
are feasible, and relatively efficient, but in terms of cost and complexity are challenged
by recent developments in solid state microwave technology. Both Gunn and impatt
diodes offer extreme simplicity, if less efficiency, and the promise of very lost cost in the
near future. In addition, extension to higher frequencies (~20 GHz) would be very simple
with oscillatory diodes, and quite difficult otherwise.
Significantly higher frequencies (~30 GHz) would increase cost substantially as both
oscillatory diodes and other components require closer tolerances in manufacture, and
commercial and military markets (and hence production volume) are much smaller. In
addition, above 30 GHz attenuation from heavy rainfall begins to have significant effect
for these propagation distances. On the other hand, at 10 GHz no problems occur for
rainfall of less than 5 inches/hour--a rate at which all motor vehicle traffic would
presumably be at a standstill. Path loss for the distances considered is approximately
110 dB, so that use of 30 dB antennas (approximately one foot aperture at X-band) and a
relatively simple receiver (-50 dBm sensitivity) would require the equivalent of 0 dBm (1
mW) transmitter power. With 2% efficiency, and 50 mW alloted to modulation and train
sensing, total power consumption would be 100 mW, or approximately 70 ampere-hours
per year. Thus, battery operation with annual maintainance is feasible. It will be seen that
this estimate can be reduced significantly.
The basic system which we have designed and fabricated in breadboard form consists of
a solid-state microwave transmitter at the train detection point and a receiver at the
crossing. The normal (train absent) condition is with the transmitter on, pulse modulated
at a low repetition frequency with pulse width sufficiently short to provide a duty cycle
of less than 1%. At the receiver, this signal is detected and rectified, giving an output
voltage as long as a signal is received. In the absence of such a signal, for whatever
reason, there will be no output, and warnings are activated under these circumstances.
Thus, the simplest operating mode involves turning the transmitter completely off when
a train is detected (by conventional magnetic or other means). Transistor circuits to
realize this mode of operation have been designed and constructed. A basic consideration
is minimization of transmitter power requirements to permit battery operation. This

requires taking full advantage of the very low information rate needed: approximately
one status reading per second. (This can consist merely of train presence information, or
may include velocity and other data.)
The choice between a high power level at a low duty cycle, or a low power - long duty
cycle made, is dictated by the constraint of low cost, high reliability, and simplicity. The
video bandwidth of the receiver must be kept as small as practical to improve the signalto-noise ratio, so that only the fundamental fourier component of the pulse-modulated
input signal is passed and amplified. For rectangular pulses of amplitude A and duty
cycle * , this component has an amplitude of (2Asin(B*)/B* A* is simply the average
amplitude, and for *# .25, [sinB*]/B*# .9, so the receiver will see essentially the same
signal strength for any amplitude-duty cycle combination which keeps the product
constant. Thus, a 10 - 100 mW Gunn diode, at a .1 - .01 duty cycle, should easily satisfy
system requirements with state-of-the-art oscillators. (Higher or lower power levels
would present difficulties.) Power consumption can be lowered still further by utilizing a
tone-burst mode, in which brief series of pulses alternate with longer off periods. The
burst duty cycle (ratio of burst duration to interval between bursts) is essentially
determined by the receiver passband and the required information rate. For example, a
practical value for bandwidth is of the order of 10 Hz. Thus, the burst should have a
length of .2 - .4 seconds. Atwo-second sensing interval is feasible, so power
consumption can be reduced by another factor of 5 - 10 by this means. (Note that this is
equivalent in terms of information and energy - to use of a receiver with 1/5 to 1/10 the
indicated bandwidth, and an equally reduced A * product. However, the tone burst mode
appears to offer simpler and less expensive circuit design and fabrication.)
The receiver circuits consist of a detector, a stage of amplification (simple integrated
circuit video amplifier), a long-time-constant R-C circuit and a threshold amplifier (to
convert the very low duty-cycle input waveform to a square wave, with much higher
average power), a power amplifier (integrated circuit), and a rectifier to measure the
average received power.
It should be pointed out that these circuits are intended to demonstrate the concept, and
do not necessarily represent final designs. For full-scale demonstration and evaluation, it
will be appropriate to have the actual system--particularly the modulator and receiver
circuits-designed and constructed by a contractor especially skilled in low-power, highreliability circuits, and knowledgeable of railroad environment practices and standards.
The laboratory system we have constructed operates at 10 GHz, as explained. However,
this parameter should not be frozen at this stage. The only elements affected by the
frequency are the Gunn diode and the attennas. Should diode technology and economics
permit, Ku-band (approximately 20 GHz) would give significantly higher antenna gain

for the same physical size. (At significantly higher frequencies the possibility of serious
attenuation by heavy rainfall becomes a drawback.)
Similarly, considerable attention has been given to the best type of antenna for this
application. The familiar parabolic dish is relatively inefficient at smaller sizes (low ratio
of aperture to wavelength), and-with feed assembly and radome--can be rather
expensive. The standard horn antenna, for the gain required, would be bulky, subject to
wind damage and attractive to vandals, and would also be fairly expensive. Careful
attention is now being given to the use of planar slot-array antennas. Even for small
aperture-wavelength ratios they are highly efficient, with small physical size, and can
easily be weatherproofed. (The structure is simply that of a plate about one-foot in
diameter, with a thickness of less than an inch). Cost is, at present, difficult to estimate,
as the only prior applications have been in military missile systems, with extremely
demanding specifications. Informal estimates for a civilian application (such as grade
crossings) have ranged generally under $100 assuming reasonably high volume.
One may better utilize the availability of a full communication channel by designing for
a number of possible system modes. As an example, consider the use of six separate
(identifiable) modes of operation: transmitter fully off, transmitter on unmodulated, or
transmitter on pulse modulated (at a low duty cycle) at one of four repetition frequencies,
f1, f2, f3, and f4. The receiver would respond to the “off” and “on” (CW) modes with
signal activation (fail-safe operation) plus system failure indications, while modulation at
f1 would indicate train absence (“all clear”); f1, a train traveling less than 20 MPH; and f2,
f3, and f4 for trains wit@i velocities of 20 - 40 MPH, 40 - 60 MPH, and above 60 MPH,
respectively. (Any other frequencies would also give a system-failure response.) The
additional cost of such refinement should not be extreme, and would probably be
warranted at a substantial number of crossings with a variety of train movements.
(Alternatively, the exact train velocity-to whatever accuracy is both necessary and
justified by the measurement technique--could be telemetered in fairly simple fashion.)
The use of an explicit communication channel, as well as the nature of the proposed
channel also make possible a number of more sophisticated protective systems, for which
the additional cost might well be acceptable in certain situations.
(1) In multiple track situations, completely separate track circuitry is used for each
track. As an alternative, separate sensors (for each pair of rails) could modulate the
microwave transmitter in different ways, so that the crossing receiver can distinguish
between them. The additional solid state circuitry could be quite inexpensive, and only
one transmitter, antenna, and mounting would be required.
(2) For a given track in urban or suburban areas, it often occurs that there will be a
number of crossings located in close proximity to one another. In such a case, one sensor

(per track) and one microwave transmission system (for each direction), supplemented
by appropriate time delay circuits, might well be sufficient.
(3) Under certain circumstances there may be some advantage to motorists choosing,
or being directed to, alternate routes, such as grade separations in the vicinity. Sufficient
advance measurement of train speed and length, and communication of these values,
could provide information needed to activate indicators, either at the crossing or well
prior to it, indicating suggested “evasive” action which might significantly.
(4) It is sometimes the case that terrain, buildings, road or track curvature, or other
visual obstacles prevent an approaching vehicle from seeing the crossing (even with
lights flashing) until a relatively short distance prior to the rail-highway intersection. A
driver who is speeding, inattentive, or fatigued, particularly under conditions of
inclement weather, may fail to stop in time. Such situations could be avoided by use of
active advance warnings (special flashing lights, or signs illuminated onlytwhen a train
is present). It is quite possible that in many cases such signs could be activated either
directly by a second slave transmitter.
There are many crossings for which a protection expense in the range of $3000 to
$10,000 is the maximum justified. Such an investment could often permit use of
conventional (or quasi-conventional) signals (barely), provided that some very
inexpensive means of activation can be found. Here it is likely that there must--for the
sake of economy--be some compromise of the fail-safe requirement, with all the
attendant problems, but the substantial number of crossings in this category suggests the
value of considering such methods. (Nor is it necessarily true that reliability or overall
effectiveness need by reduced.) Realization of this objective requires that effective train
detection be accomplished for only a few thousand dollars. This will be possible only
through extreme simplicity. The entire system almost certainly must be located at the
crossing with little or no track modification, and--preferably--no other physical structure
necessary in addition to the signal poles. Implementation of this concept appears possible
by utilization of doppler radar.
Such a system should consist basically of two radar units--located at the crossing and
directed down the track in both directions--to indicate the approach of trains, so that
warning signals can be activated. A, number of variations are possible, typically
involving a compromise of cost with effectiveness or with complexity of function. These
are described below:
(1) In the basic mode, the radar unit would provide a fixed output voltage except
when the reflected return signal is that associated with approach of a train. Unless
obstacles, curves, etc. sharply define the point at which the train comes into view, there
will be some uncertainty in the approach distance for which the system triggers, and a

conservative design will thus lead to undesirably long warning times. A track circuit at
the crossing would probably be required for restart, although alternative methods are
possible. As is true of all radar systems, failsafe design is not inherent, since
misalignment of the antenna could prevent detection. This operating mode is that which
probably represents minimal cost, with some concomitant compromising of reliability
and warning characteristics.
(2) With slightly greater sophistication, one can measure velocity (by doppler shift)
and thereby accurately predict arrival time, so that warning time can be constant
regardless of train velocity. Effective operation and true simplicity are obtained only if
the train-acquisition point is known and constant, as for the case in which a track circuit
is used as a primary system with the radar merely providing constant warning time.
(3) With more elaborate modulation and signal processing, the radar system could
measure both velocity and range, so that no auxilliary track circuit or other distance
discrimination system is necessary. Cost is a crucial aspect of the feasibility of this
approach.
(4) The need for an island track circuit for restart of signals after train passage can be
eliminated if the radar, through more elaborate circuitry, can distinguish between
approaching and receding trains. In this case, an approaching train will activate the
warnings, to remain active until only a receding train is observed.
Systems such as these have several common characteristics. They can be operated on a
low duty cycle, with a 1 - 10 sec-1 seunpling rate, so that power consumption can be
very low. As indicated, none of these modes is designed in a fully failsafe manner, unless
used as a supplement to a conventional track circuit. (This form of application might
permit significant cost reduction of present constant-warning-time detectors, which are
also secondary to track circuits, and quite expensive.) The crossing-located antenna must
have line-of-sight view of trains for a sufficient distance to provide the required warning
time for permissable train speeds, which is a serious limitation. It is likely that such
systems can be applied only to single-track situations, or at least to cases in which one
can be certain that only one train can approach from a given direction at one time. (It is
by no means inconceivable that a system could be developed for the multitrack case, but
it would almost certainly involve substantially more complicated circuitry and greater
cost.) Similarly, usage for tracks closely paralleling highways, with no difference in
elevation, could be a problem, since a simple radar is most unlikely to discriminate well
between trucks, buses, and locomotives.
The considerations for optimal frequency discussed in the microwave telemetry link are
equally valid here; a 10 - 20 GHz microwave system permits use of solid state oscillators

and antennas which combine high gain and reasonable size (approximately 30 dB gain
for 12" aperture).
As an indication of the present state of the art, two companies are now marketing a basic
radar module containing oscillator and detector diodes and necessary filters, etc.,
requiring only a 12 V. DC power supply, for less than $200 in unit quantity. The range of
such systems with appropriate antennas is typically one-half mile or greater, with no
significant reduction for less than cloudburst intensity rain. If a particular application
requires enhanced range capability, this can easily be provided at modest cost either
through higher transmitter power or larger antennas.
Basic reliability can be enhanced through use of down-track reflectors. Passive structures
can be designed to provide very high microwave reflectivity for a specific frequency and
direction, higher than will be found for any object or surface normally likely to be in the
vicinity. This reflector, since it is stationary, will reflect a CW signal with zero doppler
shift, so that the radar receiver output will be--in a simple CW system--a DC voltage.
Signal processing circuitry can then be such that absence of this DC signal activates the
signals, providing failsafe operation with respect to transmitter or receiver failure, as
well as antenna alignment or interposition of some man-made or natural obstacle.
(Alternatively, periodic FM transmitter modulation can be used.) For systems in which
range measurement is also possible, an even more reliable indicator is obtained. Such a
reflector could be quite inexpensive, although materials and labor of installation for two
mounting poles (one for each direction from the crossing) might add as much as $500 $800 to the total cost of protection unless use of existing structures for reflector
mounting is possible. This should often be possible, since the distance between radar and
reflector is not at all critical.
In conclusion, two microwave system concepts have been described, representing
application of telemetry and radar to grade crossing protection. Principle criteria for
viable final components include simple installation and maintainance, low cost, very
high reliability, and suitability to the challenging railroad environment. The many
practical and legal obstacles to such innovation are substantial, but our studies to date
indicate considerable promise of meaningful improvements through systems such as
those described here.
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Summary This paper outlines a program to measure VHF and UHF urban radio
channels for playback and analysis in the laboratory. These measurements are required
for the design of high data rate communication equipment which makes efficient use of
the radio spectrum. We include in this category data communication and surveillance
equipment necessary to meet the demands of the variety of command and control
functions envisioned for transportation systems by federal, state, and local governments.
Included in the paper is a qualitative description of the channel followed by a discussion
of the measurement techniques and hardware that will be used. The goal of the
measurement program is to develop both analytic and experimental tools for the design
and evaluation of advanced communication techniques specialized for signalling over
the urban radio channel. These techniques will include modulation waveform design,
coding, and the design of receiver structures including those which adapt to measured
channel behavior. Future technology will permit complex hardware designs to be used in
the implementation of these techniques while maintaining low system cost. The same
techniques and approach used here for the urban channel can be applied to other radio
channels that occur in transportation systems. In particular, they are applicable to data
links for air-ground and high speed ground transportation system uses.
Introduction Requirements for communication in an urban environment have become
much more stringent in recent years. Where traditionally voice channels have been
sufficient to satisfy user needs, new requirements have emerged for data communication
and surveillance to support proposals for command and control for transportation
systems made by federal, state and local governments. For example, automatic vehicle
monitoring and digital data links have been proposed for both public and private vehicles
such as buses, taxis, private automobiles, and special services including police and fire
(this latter category may also require some form of secure communication). Implicit in
these system requirements are demands for increased communication capacity -- high
data rates and efficient utilization of the rapidly disappearing available radio spectrum.
In order to provide both the reliable and efficient communication needed, one must
understand in detail the urban communication environment. The measurement of the

properties of this radio channel is, therefore, not academic. It is integral to the design and
evaluation of communication equipment matched to the job in both performance and
cost. The urban radio channel environment will be qualitatively described and a program
will be outlined which will systematically measure and playback the channel for
communication system design.
Program Description There are two basic technological problem areas in urban radio
communication. The available spectral space is severely limited and will not grow
appreciably in the future. At the same time both the number of users and the type and
variety of services required are growing with time. The radio propagation medium in
urban areas is characterized by severe multipath distortion and impulsive noise which
makes the design of high performance non-voice communication systems difficult.
Short-term solutions for increasing radio traffic handling capacity are to open new
frequency bands, use narrower bandwidth channels, and to promote good operating
procedures for minimizing radio channel usage by individual users. These techniques
will not provide the several orders of magnitude increase in traffic handling capacity that
will be needed over longer time periods. The only efficient solution to this problem
appears to be the use of semi or fully automatic digital data transmission with
prespecified message formats and relatively complex polling or scheduling procedures
for control of channel usage. The efficient transmission of digital data on urban radio
channels is difficult because such channels exhibit complex multipath propagation,
typically without any direct path between transmitter and receiver. This means that for
reliable digital data transmission, signaling waveforms and modem structures must be
carefully designed to match specific channel behavior. Some sort of coding will almost
certainly be required. A detailed understanding of urban multipath propagation is also
required for design or evaluation of surveillance systems which locate vehicles by
measurement of radio propagation time. In addition to the multipath problem, radio noise
in cities is especially complex and highly structured. Receivers designed for white
gaussian noise will not perform efficiently. By taking advantage of the urban noise
structure, performance will be improved.
There are a variety of techniques for designing communication systems which adapt to
the time varying behavior of the urban radio channel. These range from adaptive
equalizing channel measuring communication systems to systems which allocate channel
usage time to individual users according to their measured performance.
In an adaptive equalizing system, the transfer function of the channel over the frequency
range of interest must be measured and an inverse filter generated at either end of the
link. Adaptive equalizing systems have the ability to allow high data rate transmission on
badly dispersive channels. They are not a total cure for time dispersive channel problems
in that they clearly can not increase the signal energy transferred over a fading channel.

This in effect limits their usefulness to relatively broad bandwidth systems in which the
signalling waveforms have sufficient range (or equivalently time) resolution to allow
some of the multipath scattering structure of the channel to become measurable.
Adaptive equalizing systems can only be designed if a broad bandwidth characterization
of the multipath channel is available for the required analysis. The construction of such a
system is made much easier by the ability to simulate the channel in the laboratory.
There are a variety of adaptive equalizing concepts using different schemes for channel
multipath measurement, and different schemes for apportioning hardware between
transmitter and receiver. Several dif f erent techniques will be evaluated.
Other procedures for allowing a vehicular communication network to adapt to
propagation conditions involve dynamic channel scheduling algorithms which attempt to
take account of the spatially non-homogeneous nature of the urban radio channel. Also,
error-detecting or correcting codes with two-way data links can allow a system to adapt
to the error performance of individual network participants. There are a large variety of
such systems which should be evaluated to determine their potential for providing
reliable and economical communication. The performance of this type of system depends
on the time variation of channel behavior. Such systems can be expected to provide good
performance if reasonably large numbers of users are present. A broad bandwidth
channel characterization is required for evaluation or design of any candidate system of
this type.
Error-detecting or correcting codes can be considered for several purposes on the radio
channels of interest here. A few of the most promising uses are: control of errors due to
noise (a classical application), control of errors due to multiple users interfering with
each other, providing redundant information for channel measurement while transmitting
data, and facilitating the simple generation of waveforms with good properties for
transmission over the multipath channel (e.g. spectral shaping). The channel
characterization experiments will provide the required tools for evaluation of coding
techniques for these purposes.
Security from both interception and jamming is also desired for a variety of civil
communication systems (e.g. police). It is much easier to provide secure coding for
digital communications than it is for voice communications.
In order to design and evaluate digital communication systems a detailed understanding
of the urban noise and propagation environment is required. At present a two-fold
program for channel characterization and measurement is planned. An attempt will be
made to generate analytic models for channel characterization which will be useful for
system design. In addition, a real-time hardware simulator is being developed which will
be used to play back the channel using the recorded measurement data permitting the
design and evaluation of proposed modems in the laboratory (see Figure 1). The next

phase in the program will be to evaluate a variety of modulation waveforms, coding
techniques, and receiver structures including systems which adapt to measured channel
behavior. The channel data to be measured will be selected to provide a realistic test of
modem performance.
Urban Radio Channel Description The urban environment is composed of a variety
of noise sources (e.g. ignition systems of motor vehicles, electrical machinery, high
voltage power transformers, etc.). In addition, the physical character of urban areas with
their dense construction present a variety of paths for transmitted radio signals -- often
with the absence of a direct path from transmitter to receiver. These two situations and
their interaction qualitatively describe the urban radio channel. The description of the
channel can therefore be divided into two parts: 1) additive noise composed of high-level
impulsive man-made noise and lower-level background noise; 2) multipath, a
multiplicative noise due to the presence of multiple signalling paths and causing timeand-frequency dispersion of transmitted signals.
Multipath Channel Measurement A characterization of the urban radio multipath
channel is being developed which is experimentally exact for use in the design of
systems with bandwidths up to 50 KHz and which, with appropriate care, will be useable
out to 150 KHz. This should be adequate for the design and evaluation of systems
developed for the present nominal bandwidth allocations and also allow sufficiently
broad-band channel characterization to study some channel multiplexing strategies. The
final choice of channel characterization bandwidth was based, of course, on the need to
provide reasonable system design flexibility at a moderate cost. The equipment for
measurement and hardware simulation of the urban multipath channel is being designed
and built for DOT/TSC by Signatron, Inc..
The multipath measurement technique being used is a “pulse-probing” technique which
determines the band-limited impulse response of the multipath channel. Previous
measurements have indicated that the time duration of the channel impulse response
determined by the multipath delay spread between the shortest and the longest
propagation paths in the urban environment is on the order of 40 usec.. A probing signal
with an impulse-like time auto-correlation function is transmitted over the urban radio
channel and the channel output is measured by correlation techniques, sampled, and
recorded. A conceptual picture of this process is shown in Figure 2a.
To simulate the multipath channel, a filter with the recorded channel impulse response is
generated by using a tapped delay line. The effects of the multipath channel on an
arbitrary signalling waveform can be duplicated in the laboratory by applying this same
signal to the input of this tapped delay line channel model and varying its tap gains
according to the prerecorded channel data. This process is shown in Figure 2b. The
mathematical theory of dispersive channel characterization has been extensively studied

and is described in references 1, 2, and 3. Also, a survey of the variety of measurement
techniques for these channels can be found in reference 4.
The actual channel measurement transmitter hardware uses a 511 bit pseudo-random
sequence of phase-modulated 5 usec long raised cosine pulses as its sharp autocorrelation function probing signal. The channel measurement receiver uses a bank of 10
pulse compression filters to continuously sample the estimated channel impulse
response. These samples are then recorded for use as the 10 channel delay line model tap
gains. Each tap gain is a low pass complex random process with its bandwidth
proportional to the rate of change of the multipath environment, or, equivalently, to the
doppler spread of the urban radio channel. Measurement data taken by others has
indicated that doppler spreads of under a hundred cycles will be experienced in moving
ground vehicles.
Noise Measurement Urban radio channels typically exhibit high-level impulsive manmade noise as well as low-level background noise. This noise environment will be
recorded over a wide bandwidth (up to 1 MHz) and with extremely large dynamic range
(85 db). While only a relatively narrow band, lower dynamic range characterization of
the additive noise (approximately 100 KHz) is needed for the channel simulator, the
more detailed noise structure is necessary for analysis and modelling efforts. To support
these latter efforts, a PDP-11 mini-computer along with a hardware interface which is
presently being built will be used for real-time control of the actual noise measurement.
First-order statistics as well as tests of homogeneity will be computed for real-time
evaluation of the validity, quality, and type of measurement data being taken; histograms
will be computed as well as conventional moments such as rms noise power which alone
are inadequate. Various bookkeeping functions will also be provided by the computer
such as logging of the measurements and any other parts of the laborious measurement
task which can be easily automated. An attempt will also be made in the near future to
automate parts of the multipath measurement.
Further analysis of the measured noise will be performed back in the laboratory. These
include a second-order analysis and further tests of homogeneity of the measured data.
The details of this second level of analysis remain yet to be clearly defined. However,
preliminary studies indicate that extensive use can be made of the homogeneity test to
determine stationarity, classification and separation of noise phenomena, intervals of
quasi-stationarity, and to aid in the estimation of second-order statistics of the noise
process. Also, some preliminary work is being done to provide f oundations f or
modelling both multipath and additive noise f or the urban channel.
Several candidate techniques for taking advantage of the noise structure have been
proposed. These include several multiplexing strategies, burst error-correcting codes,

noise canceller, and two-way data link error information feedback. The noise
measurements will provide the tools for the evaluation of these concepts.
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Figure 1 - Communication System Simulator

Figure 2 - Channel Measurement and Playback Technique (Simplified)

COMPARSION OF PHASE TRACKING SCHEMES FOR PSK
CHARLES R. CAHN
Magnavox Research Laboratories
Torrance, California

Summary Based on straightforward approximations to evaluate the error rate with
phase jitter in the reconstituted carrier and phase slips in the tracking loop, comparison is
made of three schemes for biphase and quadriphase data transmission:
1.

Track phase on carrier component,

2.

Track on suppressed carrier - use differentially encoded PSK,

3.

Track on suppressed carrier - retain a carrier component to resolve the inherent
ambiguity.

For operation at relatively high PE, as with error correction, schemes 1 and 3 both avoid
the inherent degradation of differential encoding; however, both require a relatively
narrow band phase tracking loop. Scheme 3, suppressed carrier tracking with ambiguity
resolution, achieves the minimum Eb/No degradation at high PE when the loop bandwidth
parameter is held fixed by system requirements.
Introduction When transmitting data by symmetrical phase shift keying (PSK), the
receiver must reconstitute the carrier which has been suppressed by the modulation. This
can be done from the PSK signal itself, in which case there is an inherent ambiguity to be
resolved, or alternatively an unmodulated carrier component can be transmitted, thereby
degrading the achieveable Eb/No performance. It is presumed that carrier phase is derived
from a tracking loop of finite bandwidth set by system dynamics; hence, the reference
carrier reconstituted in the presence of additive noise is noisy. In addition, phase
ambiguity due to slips in the tracking loop must be accounted for.
As candidate schemes for deriving a phase reference for PSK demodulation, one can
consider the following basic choices:1
1.

Track phase on carrier component only;

2.

Track on suppressed carrier - use differentially encoded data;

3.

Track on suppressed carrier - retain a carrier component to resolve the inherent
phase ambiguity associated with suppressed carrier tracking.

For comparison purposes, the error rate performance in white Gaussian noise is desired
for each approach, based on straightforward approximations to the distributions of phase
error and phase slips. Both biphase and quadriphase are considered, and the problem of
operation at high error rates is of particular interest for error-correction coding.
Tracking on Carrier Component With an unmodulated carrier component assume a
slowly changing phase error over the duration of one binary digit. To summarize the
analysis2, let the steady state probability density of phase error be p(0/;"), where " is the
loop signal-to-noise ratio defined by
(1)
In (1), C is the power in the unmodulated carrier component, BL is the (one-sided) loop
noise bandwidth, and No is the received noise density (one-sided). Then, the average
probability of bit error for biphase is
(2)
where S is the power in the data modulated component, Tb is the bit duration, and M(x) is
the Gaussian probability distribution function.
The phase lock loop is presumed to have the steady state distribution3
(3)
Then (2) may be numerically evaluated after substitution of (3) with the result given in
Figure 1. It may be observed that the question of loss of lock does not arise.
Figure 1 can be applied to give the performance degradation for any specified power
sharing between the carrier and the data component with BLTb as a parameter, by
defining the effective Eb/No
(4)
At relatively high values of PE, in the vicinity of 0.05 as would be encountered with error
correction coding, Figure 1 shows that a is required to be at least 10 db.

With quadriphase, the signal with power S = 2 Sb in the data component can be viewed
simply as the combination of two independent biphase modulations each with bit
duration Tb. The quadriphase digit duration, thus, is Tb also. The average probability of
bit error, in similarity with (2), is

(5)

where p(0/;") is given by (3), and by (1).
Some results of numerical integration of (5) are shown in Figure 2. The conclusions are
basically similar to those found for biphase; namely, if " exceeds a given value, the
performance is close to coherent PSK. For operation at relatively low values of SbTb/No,
a should exceed 16 db, and even higher " would be needed with larger SbTb/No.
Tracking on Suppressed Carrier With Differentially Encoded PSK A Costas loop,
or its equivalent the squaring loop, can be utilized to track a completely suppressed
carrier with symmetrical sidebands as with biphase. The phase error can be assumed to
be the same as for an ordinary carrier lock loop provided that an adjustment is made in
signal-to-noise ratio.4 Let W denote the low pass bandwidth due to modulation which
must be passed by the filter in the Costas or squaring loop. Taking the filter as a
rectangular pass band, the loop signal-to-noise ratio
(6)
and (6) may be introduced into (3) to give the distribution of phase error in the second
harmonic of the carrier. When the second harmonic is divided to recover the original
carrier, a phase ambiguity of 180E is introduced in the reconstituted carrier, and the
effect of this ambiguity must be recognized. For differentially encoded PSK, the
conditional probability of error is
(7)

where 0/ is the phase error in the second harmonic, and this expression is invariant to the
180E phase ambiguity. The average probability of error due to phase jitter becomes
(8)

where " is given by (6) and p(0/;") by (3).
Figure 3 is a numerical evaluation of (8) with W = 1/2Tb in (6), presuming a matched
filter prior to the squaring process. It is seen that with BLTb # 0. 1, performance is very
close to that with perfect tracking even at high probability of error values such as
PE = .05. Because of the differential encoding, however, there is a decibel gap relative to
coherent PSK, which represents an inherent loss even though no power is wasted in a
carrier component.
Equation (8) does not include errors that must arise during a phase slip because of the
change of polarity at some point during the phase transient. As a reasonable
approximation to obtain the total error rate, we may assume one bit error whenever a
phase slip occurs, to be added to (8) which expresses the probability of error due to
phase jitter. Applying the rate of phase slips computed for a first order phase lock loop3
to the squaring loop so that a is given by (6), the average probability of error due to
phase slips is
(9_

Equation (9) is plotted in Figure 3 with W = 1/2Tb to show the relative importance of the
errors caused by phase slips with biphase data.
It can be seen that with BLTb<0.25, the effect of phase slips is negligible. Since
BLTb < 0.1 has already been specified to approach perfect tracking, the additional
requirement of having a negligible probability of phase slips does not impose a more
stringent restriction on the tracking bandwidth despite the fact that (6) displays a
minimum of 6 db degradation with respect to rate of phase slips compared with a
standard phase lock loop receiving the same power.
Suppressed carrier tracking for quadriphase PSK may be viewed in concept as a
“quadrupling” loop that tracks the fourth harmonic of the signal. (Decision feedback
implementations similar to the Costas for biphase are possible.) There is an inherent
phase ambiguity of 0, 90, 180E, or 270E in this method of tracking. As a good
approximation, we may assume that the loop signal-to-noise ratio is
(10)
and simply ignore the further suppression of quadrupling at low STb/No . In similarity
with biphase, performance approaching that for perfect tracking is achieved by reducing
the BLTb product. Although computations corresponding to these previously carried out
for the biphase case have not been made, similar conclusions are anticipated on the

maximum allowed BL,Tb product, except that the values will have to be smaller to keep
down the rate of-phase slips. As the phase error becomes negligible, the same inherent
degradation due to the differential encoding arises with quadriphase as previously found
for biphase.
Comparison of (10) with (6) shows that when biphase and quadriphase are to be
compared at equal total bit rates, the requisite loop bandwidth of the latter must be
narrowed by a factor of about 4 to yield equal rates of phase slips. Equation (10)
indicates that with respect to phase slips, the quadrupling loop is approximately 12 db
degraded relative to a standard phase lock loop receiving the same power.
Tracking on Suppressed Carrier With Ambiguity Resolution by a Carrier
Component A third alternative is to track the suppressed carrier, but in addition
provide a small amount of unmodulated carrier component for resolution of the phase
ambiguity using the resultant polarity of the detected amplitude. In order that the polarity
decision be essentially error free, the integration duration must be sufficiently long. As a
consequence, the duration of ambiguity resolution necessarily extends over a finite
number of digits, and an ambiguity resolution error causes a burst of errors.
The analysis of this tracking scheme is not straightforward because it requires
introducing the effects of the error extension produced by the finite duration of the
ambiguity resolution process and the consequent recovery time after a phase slip. As an
approximation, one can identify three essentially independent contributions to bit errors:
1.

Decision errors due to noise,

2.

Incorrect ambiguity resolution due to noise,

3.

Incorrect ambiguity resolution during recovery time after a phase slip in the
tracking loop.

Of these contributions, the second presumably can be made negligible by lengthening the
integration duration, at the cost of greater error extension due to a longer recovery time
after a phase slip has occurred. The contribution of decision errors for biphase is
(11)

where p(0/;") is given by (3) and a by (6). (Note the difference between (11) and (2)).
Figure 4 plots (11) for various values of BLTb with W = 1/2Tb. It is observed that

performance close to coherent PSK is obtained for BLTb < 0.1. However, this does not
include errors due to incorrect ambiguity resolution.* Thus, for BLTb < 0.1, performance
degradation will be due almost entirely to errors introduced by incorrect ambiguity
resolution immediately following each phase slip.
An approximate evaluation of the additional errors resulting from incorrect ambiguity
resolution after phase slips can be made by assuming a simple numerical factor for the
error extension of the ambiguity resolution process. For instance, if the amplitude
integration extends over 30 digits, the error extension numerical factor will be roughly
30, to be applied to the frequency of phase slip occurrences given by (9). Let Tamb equal
the average duration of incorrect ambiguity resolution after a phase slip. Then, the
average probability of error due to phase slips may be approximated as
(12)

Equation (12) is plotted in Figure 4 (again with W = 1/2Tb).
In view of the approximate nature of the analysis, only qualitative conclusions will be
drawn. To avoid excessive phase jitter effects, BLTb must be less than 0.1. Then, at some
point the probability of error will suddenly start to increase sharply above the coherent
PSK curve as Eb/No is decreased. The value of Eb/No at which this phenomenon takes
place depends on the loop bandwidth and the error extension characteristics of the
ambiguity resolution process. For biphase, a reasonable requirement is BLTb <. 075 in
order to guarantee that operation will be close to coherent PSK at PE = .05 provided that
the method of ambiguity resolution does not extend the error over more than several
hundred digits.
It may be noted that a carrier component of 5 percent will degrade Eb/No by 0.2 db due to
the wasted power. For this fraction the ambiguity resolution error will be in the vicinity
of 10-3 at Eb/No = 0 db if Tamb/Tb = 100, since the Eb/No value for the polarity decision is
then 0 db + 10 log10 (0.05 x 100) = 7 db. Thus, the contribution of incorrect ambiguity
resolution is negligible, as desired.
With suppressed carrier tracking of quadriphase, similar considerations apply as with
biphase except that (10) is now to be utilized for loop signal-to-noise ratio instead of (6).
This indicates need to reduce BLTb by roughly a factor of 2 to maintain the same
probability of error due to ptase slips as shown in Figure 4; otherwise, the behavior is

*

This behavior may be viewed as the limiting performance of PSK with suppressed
carrier tracking when a “genie” correctly resolves the ambiguity for each digit.

similar. (This means a factor of 4 if biphase and quadriphase are compared at equal total
bit rates.)
In similarity with (11), the probability of bit error ignoring ambiguity resolution errors
may be expressed as

(13)
where p(0/;") is given by (3) and " by (10). The contribution to probability of error due
to phase slips is given by (12) with a from (10). Computed behavior is presented in
Figure 5. It is seen that values of BLTb < .05 are necessary to approach coherent
quadriphase performance closely, considering both the steady state distribution of phase
error in the loop and thin effect of phase slips with error extension typically over a
duration of several hundred digits.
Conclusions An analytical approach towards comparison of carrier tracking and
suppressed carrier tracking for PSK systems has been described, including effects of
phase slips in tracking. The broad goal may be described as achieving Eb/No performance
close to theoretical coherent PSK, still keeping tracking loop bandwidths as wide as
possible.
At high Eb/No, the simple expedient of differential encoding may be applied to remove
the phase ambiguity of suppressed carrier tracking, with a relatively small degradation.
The advantage is that loss due to extra power in an unmodulated carrier component is
avoided. However, at low Eb/No, or high probability of error where a data transmission
system must operate with error correction, differential encoding has the disadvantage
that the inherent Eb/No degradation is substantial. Furthermore, additional degradation is
incurred unless the tracking loop is sufficiently narrow banded; for example, BLTb < 0- 1
is required for biphase, and in the order of BLTb < 0. 05 for quadriphase. To avoid the
inherent degradation of differential encoded PSK, consideration of an uninodulated
carrier component to resolve the phase ambiguity of suppressed carrier tracking is
appropriate at low Eb/No operations
The comparison between tracking on the carrier component versus suppressed carrier
tracking with the carrier component used for ambiguity resolution leads to the
conclusion that a small degradation in Eb/No can be achieved only with a narrow tracking
bandwidth for either scheme. For tracking on the carrier component, the behavior is
simple to understand. The loop signal-to-noise ratio must exceed a value of
approximately 10 db for biphase and 16 db for quadriphase; hence, the maximum

allowed loop bandwidth is proportional to the fraction of power allocated to the carrier
component. This fraction must be low to have a small degradation. For suppressed
carrier tracking with ambiguity resolution, the new problem is introduced of bursts of
errors whenever a phase slip occurs in the tracking loop. Hence, the loop bandwidth
must be narrowed to satisfy both; (1) small degradation in EbNo due to phase jitter in the
tracking loop; and (2) sufficiently low rate of phase slips so that the number of errors
arising from phase slips is smaller than due to noise in the demodulation process itself.
For PE < .05, it appears that BLTb < 0.075 should suffice for biphase and BLTb < .05 for
quadriphase unless the error bursts due to phase slips extend over Durations greater than
several hundred digits. This duration is set by the further requirement that the ambiguity
resolution has a low probability of being incorrect. At equal total bit rates, quadriphase
thus requires a tracking bandwidth roughly a third of the value for biphase.
A quantitative comparison of carrier tracking and suppressed carrier tracking depends on
the probability of error. As an illustration, assume Eb/No = 0 db is the design operating
point. Based on the minimum loop signal-to-noise ratios required with carrier tracking
and assuming the loop bandwidths derived for suppressed carrier tracking are used for
both schemes, it is found that carrier tracking demands a carrier component which is at
least 75 percent of the data component with biphase and equal to the data component for
quadriphase. Thus, the superiority of suppressed carrier tracking is apparent when the
system design calls for a small degradation in Eb/No.
On the other hand, it may be noted that phase slips can introduce effects other than bit
errors in a given system. One example is where carrier phase is being used for a Doppler
measurement and it is important not to lose count of carrier cycles due to a phase slip. In
view of the inherent 6 db degradation for biphase and 12 db for quadriphase, it is seen
that when a carrier component is provided which exceeds 25 percent for biphase and
6.25 percent for quadriphase, the rate of phase slips actually will be lower for tracking on
the unmodulated carrier component than for suppressed carrier tracking assuming the
same loop noise bandwidth and the same total signal power (carrier component plus data
modulation component). This has not generally been appreciated, and is a direct
consequence of the phase ambiguity of suppressed carrier tracking, rather than a noise
penalty due to a squaring or quadrupling.
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Figure 1. Biphase Performance With Carrier Tracking
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COHERENT DEMODULATION OF CONTINUOUS PHASE
BINARY FSK SIGNALS
M. G. PELCHAT, R. C. DAVIS, and M. B. LUNTZ
Radiation Incorporated
Melbourne, Florida 32901

Summary This paper gives achievable bounds for the probability of error of
continuous phase binary FSK signals on the white gaussian noise channel. Phase
continuity, like convolutional encoding, introduces a dependence between adjacent
transmitted signals which can be used to advantage in the demodulation process. It is
shown that continuous phase binary FSK can provide a given probability of error with
0.8 db less signal-to-noise ratio than antipodal PSK. The paper also shows how the ideas
developed for decoding convolutional codes apply to the demodulation of continuous
phase FSK with rational deviation ratio.
Introduction This paper examines the performance of continuous phase binary FSK
(CPBFSK) signalling. It shows that the dependence of the transmitted CPBFSK signal
on data history through phase continuity can be exploited for performance gains. This
dependency is akin to the dependence that occurs in convolutional encoding where the
transmitted signal depends on the data history also.
The main purpose of this paper is to show that FSK systems can be designed which equal
or outperform antipodal PSK on the white gaussian noise channel. This possibility,
which seems to have been overlooked until recently, is of both theoretical and practical
interest. CPBFSK signals are attractive in many applications because they have constant
envelope and relatively small channel bandwidth.
In a binary uncoded communication system where the waveform transmitted in response
to an information bit is independent of any other bit it is well known that minimum error
probability is obtained, on the additive white gaussian noise channel without intersymbol
interference, by a receiver consisting of a pair of filters matched to the two possible
signals over a one bit observation interval. No performance gain is accrued from
observing over a longer interval.
In a binary FSK system a sinusoid of frequency f0 is transmitted to represent a “zero” and
a sinusoid of frequency f1 is transmitted to represent a “one.” In CPBFSK, however, the
initial phase of the sinusoid corresponding to a particular bit depends on previous data

bits and it is possible to obtain a better bit decision by observing the received signal over
more than a one bit interval. This is the basic tenet of this paper and bounds are obtained
on just how much better such demodulators can do.
It has been shown(1,2) that optimum coherent FSK for a one-bit observation interval is
obtained at a deviation ratio, h = 0.715. For a given probability of error this scheme
requires 0.8 db less signal-to-noise ratio than binary orthogonal signalling. This
performance bound does not apply to CPBFSK since the signal dependencies mentioned
above are totally disregarded. As a matter of fact it was shown in a recent paper(3) that
this bound can be exceeded with non-coherent receiver structures with observation times
longer than one bit. The present paper shows that with coherent reception it is possible to
exceed this bound by 3 db with an observation time of 3 bits*.
The next section gives bounds achievable with CPBFSK as a function of deviation ratio
for various observation times. The third section borrows ideas developed for maximum
likelihood reception of convolutional codes and shows how these ideas apply to
unconstrained observation time demodulation of CPBFSK with rational deviation ratio.
Performance Bounds on CPBFSK Figure 1 is a diagram of the RF phase variation
versus time for a CPBFSK signal. T is the bit time and h is the deviation ratio. The signal
during bit time i can be written as

where E is the energy per bit, di is either + 1 or - 1 depending upon the input data bit and
Ni is the carrier phase at the beginning of the bit.
The following type of CPBFSK demodulator is considered in this section. The initial
phase, Ni, is assumed known. Bit i is demodulated by correlating the received waveform
over L bit times, beginning with bit i, with the 2L possible CPBFSK waveforms. Bit i is
decided as the corresponding bit in the highest correlated waveform. This procedure also
determines Ni+1 for indentical processing to determine bit i + 1, and so forth. Bounds are
obtained in this section on the probability of error in demodulating bit i given that Ni is
correct.
We first consider the one bit observation interval demodulator. With additive white
gaussian noise a maximum likelihood bit decision based on observing the input signal
from t = 0 to t = T is obtained by comparing the correlation of the noisy input signal with
*

A paper entitled “The Fast FSK -A New ModulationSystem,” will be presented by DeBuda at
the June 1971 ICC Conference. He describes a CPBFSK system which is essentially that given in
the third section of this paper. A similar system has been used at Collins Radio Corp.

cos[Tct - Bht/T + N] and cos[Tct + Bht/T + N]. The resulting probability of error is
(1)
where the Q function is defined as

No is the single sided noise spectral density and d is the “distance” between the two
possible input waveforms over the interval, t = 0 to t = T. The square of this distance is

which, for TcT > > 1, reduces to
(2)
With h = .715, d2 reaches a maximum value of 2.43E which is 0.8 db greater than 2E, the
square of the distance corresponding to coherent orthogonal FSX.
Now suppose that the observation time is allowed to increase from T to 2T. Let s11(t)
denote the signal for a data sequence 11 and define s10(t), s01(t) and s00(t) in a similar
manner. With this observation interval a maximum likelihood decision of the first bit can
be obtained by correlating the input signal with the four references sij(t) and letting the
first bit be the value of i for the reference having highest correlation. The union bound(4)
on the average probability of error can be written as

(3)
where 1/4 is the probability that any particular two bit sequence ij is transmitted and
P(ij, kR) is the probability that the noisy input signal correlates better with skR(t) than with
sij(t) given that the sequence ij is the transmitted sequence. Since Eq. (1) is also
applicable for any pair of waveforms we can write

The square of the distances of interest are given in Table I. Distances not shown in Table
I can be obtained from the relationship d(ij, kR) = d(kR, ij).
TABLE I
SQUARE OF DISTANCE BETWEEN 2 BIT SEQUENCES

The probability of error with a two bit observation time may depend on the actual
transmitted sequence. However, letting dmin be the minimum value of the distances
d(ij, kR) we have

which, substituted in (3), gives
(4)
The distances given in Table I have been computed as a function of the deviation ratio
and the square of the minimum distance is plotted in Fig. 2. The minimum distance
reaches a maximum value of
for a deviation ratio of .773. This distance is
slightly larger (.124 db) than the distance achieved with antipodal PSK for the same
energy per bit. The minimum distance is
for a deviation ratio of 0.5 which
corresponds to performance nearly equivalent to PSK.
Now consider the case of a three-bit observation time. A maximum likelihood decision
on the first bit can be made by correlating the noisy input signal with the eight possible
received signal references sijk(t). The maximum likelihood decision on the first bit is the
value of “i” for the reference signal which correlates best with the noisy input signal.
Following the same reasoning leading to (3) for a two-bit observation time the result,
(5)
is obtained. In this case

(6)
and

Corresponding to (4) we have
(7)
The distances of interest are given in Table II and d2min is plotted versus deviation ratio in
Fig. 3 along with d2min for two-bit observation time (Fig. 2) and d2 for one bit observation
time (Eq. 2).
TABLE II
SQUARE OF DISTANCE BETWEEN 3 BIT SEQUENCES

For three bit observation time the minimum distance reaches its maximum value of
(0. 8 db larger than antipodal PSK) for h = 0.715.
It is impossible to achieve a value of d2min larger than 4.86E by increasing the
observation time beyond three bits. To see this note that for any observation time

where the x’s indicate that the two sequences compared are identical beyond the second
bit. But
which has a maximum value of 4.86E, the value of d2min achievable with a three bit
observation time. Since, in the high signal-to-noise case, performance depends only on
dmin, no improvement in this case is obtained by observing more than three bits. At lower
signal-to-noise ratios however the ability to discriminate between paths at distances
greater than dmin becomes important. In this case improvement can be obtained by
observing more than 3 bits.
As a matter of interest the actual values of d2 (ijk, Rmn) are shown for h = 0.715 in
Table III.
TABLE III
SQUARE OF DISTANCE BETWEEN 3 BIT SEQUENCES WITH
h = 0.715

Maximum Likelihood Demodulation of CPBFSK with Infinite Observation Interval
Here we discuss a viewpoint for representing CPBFSK signals that in principle allows a
systematic determination of the maximum likelihood demodulator (MLD) with infinite
observation time. Whereas the 3-bit observation time MLD is optimum for high signalto-noise ratio, the infinite observation time MLD is optimum for all signal-to-noise
ratios.
Figure 1 shows the variation of the phase of CPBFSK. We note that when any two paths
in Fig. I have the same phase modulo 2B at the end of a bit time, the two paths have

identical signals for identical choices for subsequent bits. For h = 1/2 the phase diagram
can therefore be collapsed down to the “trellis” structure shown in Fig. 4.
In Fig. 4 we have simply identified all the phases modulo 2B at the end of the bit times.
The horizontal transitions mean that the upper frequency is transmitted and the diagonal
transitions mean that the lower frequency is transmitted. The phase transition trellis
highlights the fact that when two paths arrive in the same phase modulo 2B, identical
extensions of both paths from this point have identical signals.
For any rational value of h = m/n it can be seen that a phase transition trellis having n
nodes (phases) at the end of the bit times can be drawn. Those familiar with the channel
encoding area will recognize a correspondence between the phase transition trellis and
the state transition trellis description of convolutional codes.
The goal we now set for the maximum likelihood demodulator is to find the highest
correlated path in the trellis over an unconstrained time interval*. At first glance this
might seem to imply an ever-increasing number of reference paths to consider but we
now show that there is always a fixed number of paths that are candidates for the highest
correlated path over an infinite observation interval.
As noted, once two paths arrive concurrently at a given node, the signals corresponding
to subsequent identical extensions of the two paths are identical. Thus if one of the paths
has a correlation disadvantage at the node it has no hope of subsequently regaining this
disadvantage. Therefore a maximum likelihood demodulator might as well eliminate the
smaller correlated path from consideration at each node. Clearly the maximum likelihood
criterion is not compromised by this procedure since none of the eliminated paths can
ultimately become the highest correlated path. Thus we see that the infinite observation
interval MLD must always retain only n paths where n = number of nodes in the trellis
diagram for each bit time. The maximally correlated path anywhere in the trellis at any
bit time is always the retained path with the highest correlation at that bit time.
In principle then the MLD for rational h CPBFSK can be implemented in the following
way. Store the largest correlations at each of the n nodes for bit time i. Generate the 2n
possible signals for bit time i + 1 and correlate each with the received signal at bit time
i + 1. Add these correlations to the appropriate stored node correlations. This gives two
running correlations corresponding to two paths at each of the n node and store the larger
correlation and its corresponding path information bits for identical processing at bit
time i + 2. The n stored information bit paths correspond to the paths in the trellis that
have a chance of being the highest correlated path at any time.
* There is great similarity between this maximum likelihood demodulator and the maximum
likelihood decoder for convolutional codes. (Ref. 5)

For h = 1/2 it can be shown that the unconstrained MLD derived from the trellis
viewpoint is always able to make a bit decision after a 2-bit observation interval -- i.e.,
both retained paths will have the same information bit for time slot i after observing the
received signal for bits i and i + 1. We will not give the derivation of the demodulator
here but the block diagram is shown in Fig. 5.
The property that the unconstrained MLD for h = 1/2 reduces to a finite observation time
demodulator unfortunately does not hold for general h. The unconstrained maximum
likelihood demodulator inherently makes bit decisions when all retained paths vote
unanimously on a bit. The observation time required for this to occur is in general an
unbounded random variable depending on the channel noise.
A bit decision can be forced after any selected finite observation time L, by storing only
the most recent L bits along the retained paths and putting out as a bit decision the oldest
stored bit along the highest correlated path. Given the decoding delay, L, this is the best
possible decision. It is possible in maximum likelihood decoding of convolution codes to
choose a depth L at which all the retained paths are with very high probability
unanimous as to the oldest stored bit. It is felt that the MLD for CPBFSK will also have
this property.
The trellis viewpoint presented here, which accentuates the fact that only a finite number
of paths need ever be retained in an unconstrained observation interval MLD for rational
h CPBFSK is a useful one. It yields the demodulator of Fig. 5 for h = 1/2 that has PSK
performance. It is hoped that it might yield hitherto unknown simple demodulators that
exploit the bit-to-bit transmitted signal dependencies for further power gains in
CPBFSK with other values of h.
Conclusions The maximum likelihood demodulation of CPBFSK signals has been
considered. It has been shown that observation of more than one bit of the received
signal results in improved performance over the optimum h = 0.715 single bit
observation demodulator. With a 2-bit observation interval demodulator and h = 0.773 it
has been shown that CPBFSK can outperform antipodal PSK by .124 db. With a 3-bit
observation demodulator and h = 0.715 an advantage of .8 db over antipodal PSK is
obtained. The high signal-to-noise performance is not improved by observing more than
3 bits of the received sequence.
A phase transition trellis viewpoint for CPBFSK was presented in the third section which
demonstrates that the infinite observation interval MLD must retain only a finite number
of signal paths for rational h. This infinite observation interval MLD is optimum for all
signal-to-noise ratios. It is hoped that the phase transition trellis viewpoint might prove
useful in deriving improved dernodulators for CPBFSK.
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FM/FM TELEMETRY OF PHYSIOLOGICAL AND FORCE
DATA DURING MILITARY PARACHUTING AND
DURING HIGH SPEED AERIAL TOW
D. H. REID, Ph.D., J. E. DOERR, J. D. MARTIN and D. M. TERRY
Naval Aerospace Recovery Facility
El Centro, California 92243

SUMMARY 15- and 9-channel FM/FM physiological/force-field telemetry data
acquisition systems utilizing microminiaturized signal conditioning modules, IRIG
subcarrier oscillators and 220 or 1485.5 MHz transmitters have been utilized to monitor
the responses of military test parachutists throughout intentional free-fall parachuting
and continuously during highspeed (110-150 KIAS) through-the-air-tow by C-130
aircraft. No in-depth physiological studies of parachutists have previously been
conducted and no reference to intentional aerial tow of humans was found in the
literature. The objective is to provide better human engineered egress and retardation
equipment for the aircrewmember, to describe parachutists physiologically, and to assess
biomedical response to aerial tow so that mid-air retrieval systems can be developed for
rescuing ejectees over enemy territory. Mean heart rate profile to parachuting exhibits a
double peaked curve with the highest values near parachute deployment (157.7 BPM)
and second highest rates near landing (155.7 BPM) compared with baseline values of
77.4 BPM one hour pre-jump. Respiratory rate more than doubles during the jump
(32.1 BrPM) at deployment when compared with baseline conditions (15.6 BrPM). Total
riser forces at parachute deployment average 1632 lbs (8.34 +Gz), Preliminary air tow
data indicate that heart rate increases linearly with speed to 150 KIAS. One subject, who
averaged 131.5 BPM at landing during nine parachute descents, had heart rates of
128 BPM at egress during tow, 171 BPM at 110 KIAS, and 182 BPM at 150 KIAS.
Thermistors and subjective data indicated no significant chilling after 14 minutes in the
air-stream.
INTRODUCTION The studies reported herein are designed to accrue and correlate
physiological and force data from parachutists participating in intentional parachute
jumps and being towed behind aircraft at speeds of 110 to 150 KIAS. Utilization of stateof-the-art bioinstrumentation techniques was tantamount to the success of obtaining high
quality data under these rigorous conditions. A design philosophy was adopted which
aimed at obtaining all of the meaningful physiological and engineering parameters that
could be repeatedly obtained in a day-to-day basis, with minimum time spent
instrumenting subjects, and with minimum turn around time for conducting tests. For

these reasons, parameters obtained are either biopotential changes (e.g., ECG, EEG) or
parameters which utilize simple and easy to calibrate transducers (e.g., thermistors, strain
gauges, pressure transducers, accelerometers). Arterial blood pressure, and blood oxygen
saturation via oximeters are examples of desirable parameters which were excluded
because of the difficulty, if not impossibility, of repeatedly obtaining usable data during
parachuting operations.
Telemetry, as opposed to man-borne tape recorders, was selected as the data acquisition
system of choice for many reasons, including the following: (1) the DoD Joint Parachute
Test Facility range instrumentation is primarily telemetry. Thus, the receiving station
facilities were present at the time these studies were conceived as was an in-house
telemetry expertise; (2) Telemetered data were felt to be more accurate than data from
small, personal tape recorders; (3) It is possible to multiplex a greater number of
channels with much less weight and physical bulk, and (4) handling time is greatly
reduced, since in most cases the final oscillogram is produced in the real-time mode,
This decreases the man-hours required to reduce data and also eliminates several
potential error sources. The only disadvantage of telemetry for this application has been
the greater expense.
A collaboration between the physiologist at the Naval Aerospace Recovery Facility,
technicians at the USAF 6511th Test Group (Parachute), and electronic design engineers
at the Naval Missile Center began several years ago. Prototype telemeters were
developed, fabricated and refined. In 1969 two 9-channel systems, (“second-generation
telemeters”) were built and in 1970 two 15-channel systems (“third-generation
telemeters”) were developed. The 15-channel system, which incorporates an RF and
hardwire emergency release subsystem in addition to the data acquisition function, will
be the man-borne system described herein. No description of ground station receiving,
demodulating or recording equipment will be given.
The objective of the parachuting study is to acquire and correlate physiological and
environmental parameters from parachutists continuously during parachuting so that
engineers in the recovery system field can design, develop and put into the cockpit more
satisfactorily human engineered personal protective and survival equipment, and to
contribute to science’s fundamental knowledge of the psycho-physiology of stressful
environments. The objective of the air-tow study is to assess human response, and
hopefully tolerance, to high-speed through-the-air-tow by operational aircraft, so that
hardware systems for effecting mid-air rescue of ejected aircrewmembers can be
developed. Mid-air retrieval is desirable in situations where the ejectee would descend
into an environment from which rescue would be improbable or where he could
immediately be captured by the enemy.

The literature was searched for references to data relevant to the above studies. No data
concerning respiration rate or opening shock/landing G forces to intentional parachuting
or to high speed through-the-air tow were found. Several workers have observed heart
rate responses to free-fall parachuting but only one of these used telemetry (reference 5).
Schane and Slinde (reference 7) used a single-channel Holter electrocardiograph system
for recording ECG from U.S. Army parachutists. These workers observed heart rates as
high as 240 beats per minute (BPM). Several jumpers maintained tachycardias of over
200 BPM for at least two minutes during parachuting. Renemann, Beckhove and
Roskamm (reference 5) used both telemetry and tape recorder systems for obtaining
heart rates during parachuting. They found that the average heart rate was 120 BPM
prior to exit, increased to 130-160 BPM at egress, and at canopy deployment ranged
from 140-190 BPM with occasional rates to 200 BPM. Instances of landing rates of 200
BPM were observed. Fenz and Epstein, (reference 2), conducting a psychological study
of parachutists, used a hardwire system for monitoring heart rates up to egress and then
again after ground impact but not during the actual jump. The above references and one
from this laboratory (reference 4) comprise the available published body of literature
germaine to this study. The authors are aware of the unpublished data of two other
workers who have obtained ECGs from parachutists throughout the jump profile
utilizing tape recorder systems.
THE DATA ACQUISITION/EMERGENCY RELEASE SYSTEM Two third
generation 15-channel systems were developed for monitoring physiological and
environmental parameters during a study designed to observe man’s physiological
responses to high speed aerial tow. These units also incorporate a command
receiver/decoder so that the human subject can be released from the test bed aircraft via
an RF or hardwire link should conditions warrant such action. The telemetric package is
carried beneath the chest-mounted reserve parachute container. It weighs approximately
15 lbs and measures 13" x 9" x 1 1/2” (Figure 1).
The telemeter is powered by eight nickel-cadmium batteries which provide
approximately one hour of operational data when used with a one watt Microcom T-45
transmitter. Separate batteries are provided for the command release receiver/decoder
subsystem in order to provide approximately five hours continuous operation of this
emergency equipment. The batteries are packaged as a replaceable unit which enables
easy removal for charging or in-aircraft replacement.
The command release subsystem consists of a Conic CCR-200 command
receiver/decoder operating at 428 MHz. The presence of tones 13, 15 and 17 will
generate the fire command. The receiver/decoder voltage is monitored via IRIG
channel 3. This monitored voltage is only available when channel 13 is active thereby
verifying the reception of the transmitted commands. Manual firing of the release system

is effected by the jumper actuating a switch attached to his harness and/or located on his
reserve parachute panel (see Figure 1).
To satisfy the requirement for maximum versatility and reliability while minimizing size
and power consumption a modular thick-film large-scale integration approach was used
in the design of all signal conditioning and calibration circuits. All signal conditioning
and calibration is performed in a 42 pin package which contains 13 discrete modules and
seven potentiometers. The unit measures 4.5" long, 1.4" wide and 1.5" high while
consuming less than 400 mw of power. Actual signal conditioning is accomplished by
nine modules and the calibration functions are accomplished by the remaining four.
Vector model MMO-11 microminiature voltage controlled oscillators are used to
modulate a Microcom Model T-45 transmitter at 1485.5 MHz. Figure 2 is a photograph
of the interior of a 15-channel telemeter.
Specification of 15-ch. data acquisition/emergency release system
Bio-Instrumentation System
Transmitter frequency (Microcom T-45)
Output power
Antenna
Number of Data Channels
Channel Information
Command release voltage/event marker
Core temperature 99± 5EF
(3) Skin temperatures 50± 20EF
Respiration rate (thermistor)
Galvanic skin response (available/
not used)
Pressure 0-15 psia
Electrocardiogram
X Axis acceleration ± 15g
Y Axis acceleration ± 15g
Z Axis acceleration ± 15g
Parachute riser strain #1
Parachute riser strain #2
Voice
Operating Time (approximate)
Operating Distance (approximate)
Command release system
Receiver frequency (Conic CCR-200)
Antenna

1485.5 MHz
1 watt nominal
NMC Quadraloop
15
Ctr Freq (Hz)
Band
IRIG 3
730
IRIG 4
960
IRIG 5-7
IRIG 8

1300-1700-2200
3,000

IRIG 9
IRIG 10
IRIG 11
IRIG 12
IRIG 13
IRIG 14
IRIG 15
IRIG 16
IRIG E
1 hour
20 Nm

3,900
5,400
7,350
10,500
14,500
22,000
30,000
40,000
70,000

428 MHz
NMC Quadraloop

Sensitive tones
Receiver sensitivity
Squibb fire signal
Operating time

13, 15, and 17
2 microvolts
13-15-17
5 hours

A.
Signal Conditioners. The signal conditioning circuitry modifies the transducer
signals so they are compatible with the voltage controlled oscillator inputs. Conditioning
may require amplification, level shifting, limiting, or calibration signal injection
depending upon the parameter being processed. The conditioning/calibration circuitry
consists of 13 thick-film hybrid modules. Individual amplified signals are available for
hardwire monitoring prior to multiplexing. A description of each data channel and the
signal conditioner specifications are as follows:
(1) Electrocardiogram Channel. The ECG signal is sensed by three wet electrodes
using standard dynamic environment attachment procedures. The signal is applied to an
adjustable gain differential amplifier through a relay which is used for calibration
purposes. When the calibration button is depressed a simulated ECG signal is applied to
the amplifier for channel verification. The ECG amplifier is a multi-chip thick-film
microcircuit employing three monolithic operational amplifiers. By crosscoupling the
input amplifiers a maximum differential gain of 74 db is achieved while maintaining a
unity gain for all signals common to both inputs.
Typical ECG Amplifier (MCTK 70-13)
Operating voltage
Power dissipation (± 10 vdc)
Differential voltage gain
Common mode rejection ratio
Input impedance (CM)
Output impedance
Frequency response (3 db)
Input noise
Input voltage offset
Supply polarity protected
Output current limited
Maximum output voltage

± 7 vdc to ± 18 vdc
60mw
74 db
80 db
100 megohms
75 ohms
2.5Hz to 5 KHz
4 microvolts rms
10 microvolts
60 volts
1 ma
± 3 volts

(2) Ax, Ay, and Az Acceleration Channel. All accelerations are measured by
Humphrey model LA 45 potentiometric accelerometers. Accelerometer excitation is
provided by the voltage regulator module (MCTK 70-22). Calibration of accelerometer
channels is provided by the transducer calibration module (MCTK 70-14). This module

provides calibration levels for subsequent data reduction by alternately forcing the
accelerometer outputs from -15gs to +15gs at approximately 0.5 Hz.
(3) Pressure Measurement Channel. Barometric pressure is sensed by a Bourns Model
#441 0-15 psia potentiometric transducer mounted inside the telemetric package. The
transducer monitors the absolute pressure external to the oxygen mask (Figure 1).
Transducer excitation is provided by the voltage regulator module (MCTK 70-22).
Calibration of the pressure channel is accomplished by the same method as for the
accelerometers.
(4) Strain Measurements. Force in the parachute risers is measured by two 350 ohm
bridges excited by 7 vdc from the voltage regulator. Bridge imbalance is corrected by
two potentiometers. The bridge outputs are amplified by a dual differential amplifier
MCTK 70-15. The MCTK 70-15 consists of two separate amplifiers consisting of two
monolithic operational amplifiers giving a fixed differential gain of 48 db. Calibration of
the strain channels is accomplished by shunting part of each bridge with a 100K resistor
located in the MCTK 70-18B module.
Typical Dual Strain Gauge Amplifier (MCTK 70-15)
Operating Voltage
Power Dissipation (±vdc)
Differential Gain
Common Mode Rejection Ratio
Minimum Input Impedance (diff)
Output Impedance
Frequency Response (3 db)
Input Noise
Input Offset Voltage
Supply Polarity Protection
Output Current Limited
Maximum Output Voltage

±7vdc to ±8vdc
60mW
48 db
36 db
30 Kohms
75ohms
DC to 19 KHz
20 microvolts
3 mv
60 v
1 ma
±3v

(5) Voice Channel. Voice information is obtained from a standard aviator’s mask
carbon microphone. The bias for the microphone is provided by the AGC module MCTK
70-16. The mircophone output ranges from 100 mv to 1 v in amplitude thereby requiring
an automatic gain control amplifier. The AGC amplifier has a capability of a maximum
gain of 30 db. Channel integrity verification is accomplished by the injection of a 1 v
peak to peak simulated ECG wave.

Typical AGC Amplifier(MCTK 70-16)
Operating Voltage
Power Dissipation
Maximum Voltage Gain
Input Impedance
Output Impedance
Frequency Response (3 db)
Output Current Limited
Supply Polarity Protected

± 10 vdc
30 mw
30 db
20 Kohms
75 ohms
100 Hz to 100 KHz
25 ma
60 v

(6) Respiration Rate Monitor. Respiration rate is obtained by passing a constant
current through a thermistor mounted in the breath stream. By utilizing the R caused by
the effect of the breath on the self heated thermistor a pulse is generated during each
breath. Module MCTK 70-18 contains the constant current generator and an AC coupled
amplifier with adjustable voltage gain. A calibration signal is injected by module MCTK
70-17 directly into the amplifier with an amplitude approximately equal to the data
signal. The respiration rate information is available prior to multiplexing on pin 16
of J15.
Typical Respiration Rate Monitor (MCTK 70-19)
Operating Voltage
Power Dissipation
AC Voltage Gain
Output Impedance
Output Current Limited
Maximum Thermistor Current
Supply Polarity Protected
Maximum Output Voltage

± 7vdc to ± 18vdc
20 mw
37 db to 42 db
75 ohms
2 ma
1 ma
60 v
±3v

(7) Command Release Voltage Monitor and Event Marker. The purpose of this
channel of information is to provide a continuous indication of the command release
system voltage and an event marker for time/action data correlation. Module MCTK 7021 output voltage is equal to one-tenth of the command release system voltage except
when the hand held event button is depressed which causes the output to remain at
approximately 4 vdc. The instant the fire signal is initiated the command release system
voltage will decrease suddenly thereby furnishing verification of squib actuation.
(8) Voltage Regulator Module. The strain gauge bridges, AGC voltage, pressure
transducer excitation and the accelerometer excitation require a regulated voltage source.
The MCTK 70-22 is a current limited regulator providing 7.4 volts at a maximum current

of 60 ma for strain gauge and AGC signal excitation. The unit also provides 5vdc for
accelerometer and pressure transducer excitation at a maximum current of 25 ma.
(9) Temperature Channels. Temperature measurements are performed by a thermistor
in a modified bridge configuration. A constant current is passed through the thermistor
and the voltage is sensed and amplified. Yellow Springs Instrument Company precision
thermistors #44011 are used for all temperature measurements. The MCTK 70-26A
consists of a dual channel sensing amplifier adjusted for a ± 2.5vdc output for
approximately 50E+ 20EF skin temperature range. The MCTK 70-26B is a combination
of a skin temperature channel and a core (rectal) temperature channel yielding a ± 2.5vdc
output for approximately a 99E + 5EF temperature range. During calibration the
thermistor inputs are connected to precise known resistors located internal to the
modules to yield a calibration point.
Typical Temperature Module (MCTK 70-26A/B)
Operating Voltage
Power Dissipation
Maximum Thermistor Current
Supply Polarity Protection
Maximum Output Voltage
Output Current Limited

± 10vdc
50 mw
40 microamps
60 v
±3v
1 ma

(10) ECG Simulator. The calibration signal source consists of two major sections, a
pulse generator (MCTK 70-18A/18B) and a pulse shaper (MCTK 70-17). The pulse
generator consists of an assymetrical astable multivibrator followed by four monostable
multivibrators. By choosing the triggering signal for each monostable a series of pulses
is generated. The summing and shaping of pulses P, R, and T in module MCTK 70-17
results in a composite waveform, resembling a typical ECG wave.
B.
Wiring Harness. The only troublesome area in the two previous generations of
telemetering packages has been in the wiring harness running from the subject to the
equipment. Four individual wiring cables each with 8-12 strand wire imbedded in a flat,
flexible silicon insulation with a high density twist lock 7 pin connector are used to make
up the harness. The wiring to the mask includes respiration thermistor output, carbon
mike output and additional long leads that run through the subject’s jump suit to the
hand for the event marker switch. The event switch is a thin tube with a single pole,
single throw push button switch on the end. Right and left strain link wiring carry
excitation to and signal from the 350 ohm strain gauges bonded to modified Koch quick
release units. Three skin temperature thermistors are partially imbedded in epoxy for
protection and to facilitate handling. The core temperature thermistor is enclosed in
several inches of soft plastic. Included with the temperature cables are the manual release

switch wires. Three IMI silver-silver chloride electrodes are used with the ECG wiring.
The squib firing wires are included with the electrode harness. Three feet of bungee type
wiring is added for the squib release system to allow for parachute harness movement
and stretch. In the design of the subject’s electrical harness an attempt has been made to
fabricate a system which can be used daily in this rigorous environment. Practice has
taught us, however, that most telemetry “down” time is due to damage to the electrical
wiring from subject to telemeter.
RESULTS/RESPONSE TO FREE-FALL PARACHUTING Eighteen military
parachutists (14 USN, 4 USAF) have participated in 88 free-fall parachute jumps,
ranging in altitude from 2,000 to 35,000 ft MSL from C-47, C-130, NU-lB, H-1 and A3B aircraft. Subjects are instrumented approximately 1 1/2 hours before scheduled takeoff of the jump aircraft. After electrodes, transducers and the electrical harness have been
installed, a five minute record is made of ECG and respiration directly into a Brush
recorder for daily baseline comparison. The system is then checked in the RF mode. Five
minutes prior to egress from the airplane, the telemeter is turned on and calibrated. The
multiplexed signal is radioed to the ground station where it is placed on analog magnetic
tape for later data reduction by a CDC 3300 computer system. A biomedical analysis and
reduction software package has been contracted for and will be operational in the near
future. This software program will handle all parameters and 15 channels and will
analyze heart and respiratory rate on a cycle by cycle basis. Post-landing the jumper is
asked to keep the telemeter on for as long as practicable (av. 4 minutes).
Heart rate data have been acquired from military test parachutists continuously
throughout the jump profile, casually sitting and standing in the laboratory one hour prejump, running vigorously on the exercise treadmill (15 min, 6 mph, level), and quietly
sitting in a low pressure chamber and aircraft at ground level and 8,000 ft MSL. Figure 4
illustrates the mean response of 17 subjects to 78 jumps. It will be observed that the heart
rate accelerates through egress to manual ripcord pull (157.7 BPM), decelerates while
descending under open canopy (140 BPM), and accelerates to attain a second peak at
landing (155.7 BPM). Mean baseline comparison data is taken one hour prior to jump
while the parachutist is seated (77.4 BPM). Novice jumpers have higher heart rates
during jumping than experienced parachutists. The heart rate of a trainee decreases as
experience (number of jumps) increases. For novices the highest heart rates are observed
at parachute deployment, whereas highly experienced jumpers often produce highest
rates at ground impact.
One subject made 11 instrumented jumps, 6 occurring before he had 50 jumps
experience (mean = 29) and 5 after he had 50 jumps experience (mean = 89). As a novice
this subject averaged 167.2 BPM at egress. As an experienced parachutist this value was
146.7 BPM, a statistically significant difference. other statistically significant heart rate

comparisons occurred at free-fall (181.2 novice, 147.0 experienced) and at parachute
deployment (180.8 novice, 145.7 experienced).
The type of main parachute canopy used has a significant effect on the parachutist’s
heart rate. The following tabulation shows that the sporttype canopy (Para-Commander)
with its easier opening characteristics and more predictable behavior on landing induce
lower heart rates in the user than does the Navy 28' flat emergency egress non-steerable
parachute:
Heart rate (BPM) Egress
28' flat (n=18)
142
Para-Comm(n=19)
131

Free-fall
142
131

Pcht Deploy
150
138

Under Canopy
134
126

Landing
164
141

Respiration rate response to 30 free-fall jumps (10 parachutists), presents a pattern
similar to that for heart rate in that highest values occur during free-fall (30.5 BrPM),
parachute deployment (32.1 BrPM) and ground impact (30.3 BrPM) compared with
casual sit respiratory rates of 15.6 BrPM one hour pre-jump in the laboratory (Figure 5).
Casual respiratory rates from these subjects obtained on days when no jumps were made
averaged 11 BrPM. No references were found in the literature reporting respiratory rate
response to parachuting.
Opening shock forces from strain gauges averaged 830 lbs for the left riser and 801 lbs
for the right riser (1632 lbs total) during 17 jumps. Head-foot G force (+Gz/eyeballs
down) is calculated by dividing the parachutist’s suspended weight (nude weight +
weight of all equipment weight of main canopy and shroud lines) into total riser force in
pounds, Average G thus calculated is 8.34 4-Gz. One parachutist made two jumps with a
Navy flat canopy and two with a Para-Commander. Opening shock force at the risers
averaged 2370 lbs for the flat (12.73 +Gz) and 1827 lbs for the sport-type parachute
(9.82 +Gz).
The linear accelerometer data indicates average +Gz at parachute deployment of 7.4 for
all parachutes and subjects tested (n=48). Average transverse (±Gx) at opening is 6.8.
There is approximately a 1 1/2 G attentuation when comparing linear accelerometer and
strain gauge data, as expected, due to the cushioning effect of the accelerometers’
location in the telemetric package.
RESULTS(PRELIMINARY)/RESPONSE TO HIGH SPEED THROUGH-THEAIR TOW Subjects are towed 400 ft behind a C-130 flying at 8,000 ft MSL for an
average duration of 15 minutes. Subjects are attired in Navy winter flying suits (2.5 clo
units). Speed is increased in 10 knot increments from 110 to 150 KIAS. In preliminary
tests heart rate increased linearly with speed to 150 knots. In one subject heart rate
averaged 108 BPM one minute prior to launch, 128 BPM at egress, 171 BPM at 110

KIAS, 174 BPM at 120 KIAS, 176 at 130 KIAS, 178 at 140 KIAS and 182 at 150 KIAS,
which is an increase of 50 BPM over his mean response during the most critical phases
of freefall parachuting. Respiration rates vary between 16-40 BrPM with little
correlation to the speed of tow. Windchill, due to convective cooling, was hypothesized
to be the limiting physiological factor. However, with the winter flying suit and an
outside air temperature of approximately ±10EC, surface temperature thermistors (hand,
neck, calf) and a rectal thermistor, and the subjective report of the parachutist, indicated
no chilling. Skin temperatures at 140 KIAS averaged 27EC and rectal temperature 39EC,
compared with pre-tow data of 28EC (surface mean) and 39EC (rectal mean). Strain
gauge data (riser quick-release hardware) indicate that at a steady 140 KIAS, forces
average 460 lbs for both risers, or a calculated 2.4+Gz. Subjectively, the test parachutist
fatigues rapidly (the high work output possibly preventing body cooling), and report that
pressures imposed by the airstream increase greatly between 140-150 KIAS but not
between 110-140 KIAS.
CONCLUSIONS The FM/FM telemetry multi-channel physiological/forcefield data
acquisition systems described herein have enabled day to day monitoring of ECG,
respiration rate, riser forces, accelerations, jumper’s voice, event marking, core and skin
temperatures and barometric pressure from test parachutists participating in intentional
parachute jumps and being towed behind aircraft at high speeds. Maintenance and turn
around time has been quite acceptable, considering the rigorous use to which the
telemeters are put. The principal problem area has been maintaining integrity of the
electrical wiring harnesses from sensors to telemeter. Multiplexed data are received on
the ground, and placed on magnetic analog tape for later automatic data reduction via a
CDC 3300 computer system. Simultaneously, the multiplexed signal is demodulated and
a high quality oscillograph is produced real-time.
Extremely high tachycardias have been observed from most parachutists participating in
this study, including highly experienced jumpers, when compared with the heart rate
response to other stressful aerospace environments such as astronauts during
extravehicular activity (reference 1), Navy A pilots launching and recovering aboard
aircraft carriers and making actual bombing runs in Vietnam (reference 3), and Air Force
test pilots flying demanding F-104 missions (reference 6). Parachuting thus appears to be
an acute psycho-physiological stressor with unequivocal life versus death implications
should parachute equipment, or parachutist, fail to operate properly. Although the degree
3f arousal is greater in novice jumpers, parachutists do not appear to habituate
completely to freefall parachuting with experience. Continuing multi-parameter accrual
of physiological and force data via RF telemetry from parachutists may elucidate the
mechanisms responsible for the high tachycardias and breathing rates and will enable
engineers to design personal protective equipment more in consonance with normal
human functioning.

Preliminary experiments indicate that experienced military test parachutists can tolerate
the environment imposed by 110-150 KIAS tow 400 ft behind C-130 aircraft at 8,000 ft
with 10EC outside air temperature when wearing a Navy winter flying suit. A man-borne
15-channel telemetry system provides real-time physiological monitoring of towed
subjects as well as providing a flight/subject safety RF and hardwire emergency release
subsystem.
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Figure 1.

Parachutist attired for jump showing 15-channel FM/FM telemetry data
acquisition/emergency release system location beneath reserve parachute

Figure 2.

15-channel telemeter showing interior components and rugged construction.
Thick film signal conditioning modules are located within chassis labelled
“chip” circuits.

Figure 3.

Section from real-time oscillographic record of parachute jump utilizing 9channel bio-telemeter. Note jumper’s voice and event marker channels.

Figure 4.

Mean hear rate response to free-fall parachuting (78 individual jumps; 17
parachutists). Solid, dark line = mean. Broken vertical line = standard
deviation.

Figure 5.

Mean respiratory rate response to free-fall parachuting. The solid dark line
is the mean (n=30). The broken vertical lines represent standard deviation.

ELECTROCARDIOGRAM TRANSMISSION,
THE STATE OF THE ART*
A. FIRSTENBERG, S. W. HUSTON, D. E. OLSEN, P. M. HAHN
Space Biology Laboratory
Brain Research Institute
Center for the Health Sciences
University of California
Los Angeles, California, 90024.

Summary A comparative analysis of available clinical EKG telemetry systems was
conducted. Although present day electrocardiogram diagnosis requires a high degree of
measurement accuracy, there exists wide variations in the performance characteristics of
the various telemeters marketed today necessitating careful consideration of
specifications prior to procurement. The authors have endeavored to provide the
physicians with a clear understanding, in terms of the effects on the electrocardiogram,
of the factors he must evaluate in order to ensure high fidelity EKG reproduction. A
tabulation of comparative parameter values for each unit obtained from manufacturers’
specifications and substantiated by standardized performance tests conducted in our
laboratory is presented.
Introduction The use of radio telemetry for the purpose of monitoring physiological
signals is playing a rapidly increasing role in clinical as well as research applications.
Greatest clinical application to date has been the monitoring of the electrocardiogram
during intensive care, coronary care, and recovery. There are two principal benefits
derived from the use of telemetry rather than conventional hard wire techniques. First,
since the EKG telemeter, containing amplifier, modulator, and transmitter is worn by the
patient, continuous remote monitoring is accomplished while the patient is allowed to
ambulate, free from the restraint of fixed cables. Second, the required source of electrical
energy is isolated from other instrumentation, thereby minimizing the hazard of electrical
shock.
A large number of firms are presently marketing EKG telemeters. Although present day
diagnosis, particularly with the advent of computer analysis, requires a high degree of
measurement accuracy, there are wide variations in the characteristics of the various
*
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EKG telemeters available today; variations so severe, that the shape of the
electrocardiogram may be significantly modified by the characteristics of the
instrumentation used. The task of selecting a telemeter for a particular application is
compounded not only by the physician’s unfamiliarity with electronics, but also by the
marketing and sales strategies employed by several manufacturers and their
representatives.1 Nevertheless, the importance of the performance specifications must
not be underestimated and should be carefully considered prior to procurement.
It is the purpose of this paper to provide the physician with a clear understanding of the
factors he must evaluate. Emphasis is placed on an explanation, in terms of the effects on
the electrocardiogram, of those parameters most important in obtaining high fidelity
EKG reproduction. The authors have tabulated comparative parameter values obtained
from manufacturers’ specifications and from standardized performance tests conducted
in our laboratory on units supplied by the manufacturer.
Performance Requirements The performance requirements of the telemetry module
as set forth in this section are based upon the acquisition of diagnostic quality data as
defined by the American Heart Association recommendations.2 Although many
manufacturers suggest that their instrumentation should be primarily used for heart rate
monitoring rather than diagnostic data acquisition, essentially all companies make
available a central receiving station were telemetered data is processed and displayed on
oscilloscopes and chart recorders. The authors feel that data presented in this manner
will be used for diagnostics and should be worthy of such use.
Input Impedance The input impedance of the telemeter may be thought of as the total
opposition of the device to the flow of current between the two input electrodes. In the
monitoring of EKG and other biopotentials, it is necessary to make the input impedance
of the telemeter many times greater than the impedance of the skin-electrode interface in
order to minimize current flow and prevent attenuation (“loading”) of the biopotential.
One of the significant sources of error in electrocardiographic monitoring is due to the
high and often unpredictable impedance existing at the skin-electrode interface, referred
to as source impedance. Preparation of the skin and the use of electrolytic paste with
conventional EKG electrodes are designed to minimize and stabilize the source
impedance. Despite careful attention to skin preparation and paste-electrode application,
source impedances vary from a few hundred ohms to several hundred kilohms, being a
function of electrode surface area, frequency of the signal, time after electrode
application, skin preparation technique, electrode paste characteristics, perspiration, and
temperatures It is frequently assumed that if loading does occur, it is purely resistive,
resulting in merely a loss of amplitude; however, real electrodes have a capacitive
element as well as resistive, and when the input impedance of the telemetric monitoring
device is insufficient, not only does a loss of amplitude occur, but waveform distortion.

Insufficient input impedance causes P and T wave changes and a shift in the level of the
S-T segment, all of which are clinically significant.4 If electrodes are applied properly
and changed daily, one could conservatively expect a source impedance of under 100
kilohms; hence, an input impedance of 10 megohms would introduce a maximum error
of I percent. If longer term monitoring (3-5 days) is desired without electrode
replacement, an input impedance of at least 30 megohms is required to maintain the same
accuracy.
Frequency Response (Bandwidth) The frequency response of an instrument is a
measure of its gain as a function of the frequency of a sinusoidal input signal. High
frequency response is the measure of the instrument’s ability to accurately reproduce fast
moving components such as the R and S waves whereas low frequency response is a
measure of the instruments ability to reproduce slowly moving components such as the P
and T waves. It is generally accepted that the low frequency response of instruments
used in electrocardiology be somewhat above direct coupling (0 Hz) because of the
presence of slowly varying bias potentials. Therefore a compromise in low frequency
capability must be made which will produce a stable baseline yet preserve the shape of
the EKG. High frequency response is also limited in order to reduce system noise by
attenuating frequencies above that of interest. Frequency spectrum analysis of the
electrocardiogram has shown that less than 4 percent of the frequency components in the
EKG are above 100 Hz.
Insufficient low frequency response inserts S-T segment depressions and Post-T sags, the
onset of error occurring at approximately 0.076 Hz. High frequency response inadequacy
causes attenuation of the R and S waves by different factors, the onset of error occurring
at approximately 190 Hz.
For example, with an upper frequency response of 40 Hz,** the attenuation of the R wave
is 8 percent and that of the S wave is 35 percent. Thus, whenever the RS ratio is a matter
of interest, there is a great premium on the frequency response of the instrumentation.5
Common Mode Rejection Ratio Common mode rejection is a measure of the
amplifier’s ability to reject extraneous noise that is common to both differential input
electrodes. It is defined as the differential gain divided by the common mode gain
(applicable as defined only to differential amplifiers). To distinguish the
electrocardiogram from common mode noise, balanced or differential amplifiers are
often used. The background noise is then common to both differential inputs, provided
the electrodes are not too widely separated, and the common mode signal and desired
differential signal are discriminated and separated by the amplifier.6 The required
**

The frequency limits specified are 3 dB points. This is the frequency at which the gain of the
instrument is .707 of its maximum gain.

specification for this parameter of course depends upon the extent of noise present in the
monitoring environment. In our experience in such environments as hyperbaric
chambers, dialysis treatment centers, surgery rooms, general hospital rooms, and
coronary care units, we found that a common mode rejection ratio of 80 dB or above was
adequate.
The effect of inadequate common mode rejection is the presence of noise, generally at
the power line frequency, superimposed on the EKG.
Noise Noise refers to unwanted “signals” and may be considered in two separate
classes; noise at the measurement source and noise introduced by data transmission.
Noise at the source is caused by (1) environmental conditions such as electromagnetic
radiation and electrostatic radiation; (2) body artifacts including muscle contractions,
electrode movements on the skin and electrochemical potentials, and (3) instrument
noise due to self-generated noise within the biotelemeter. Data transmission noise is
primarily caused by (1) propagation noise resulting from thermal noise of the earth and
atmosphere, cosmic noise, and radio frequency interference; and (2) the receiver’s RF
amplifier internal noise.7 Body artifact noise may be somewhat reduced by judicious
electrode selection and application techniques; however the extent of the noise present
on the electrocardiogram is otherwise controlled by the monitoring environment and the
telemeter-receiver used. The American Heart Association recommends that the total
system noise be less than 28 microvolts, peak-to-peak, referred to input when simulating
the subject by means of placing a 25 kilohm resistor between each patient lead and
ground.
Input Bias Current With the advanced instrumentation now available to hospitals, it
is common to have electrical contacts made inside the body where fluid electrolytes
substantially reduce resistance to current flow and leakage currents may pass directly to
the heart. Furthermore, not only is the resistance to current flow reduced by internal
electrodes, but the current levels deemed hazardous are much smaller than externally
applied levels. Investigators at Duke University have shown that a current as small as 20
microamps flowing between the right and left ventricles in the hearts of dogs can cause
ventricular fibrillation.8 There are good reasons to believe that the fibrillatory currents in
humans may be similar. Of the many groups concerned with patient safety, most believe
that current passing internally through the patient should be limited to less than 10
microamps.9

Test Results Standardized performance tests were conducted on one unit supplied by
each of the following manufacturers.***
TABLE I - PARTICIPATING MANUFACTURERS
Manufacturer

Model Designation
261040
Electrocardiocaster 2610
Care III
TEL-1
K681
RKGII
78101A
Telemaster 519
919/T
6000

American Optical Corp.
Avionics Research Products
Care Electronics Inc.
Electrodyne
EKEG Electronics Co., Ltd.
Hamilton Standard
Hewlett Packard Co.1
Laser Systems & Electronics Inc.
Mennen-Greatbatch Electronics Inc.
Spacelabs Inc.
1

Hewlett Packard Company’s unit tested was an engineering prototype.

Although it was attempted to include all known manufacturers in this report, those
manufacturers who did not make a unit available for test were excluded since, as the
results of this section dictates, published specifications could not be treated in the same
manner as test results. Those manufacturers not offering a unit for test are shown in
Table II.
TABLE II - NONPARTICIPATING MANUFACTURERS
Manufacturer

Stated Cause for Nonavailability
of Unit for Test Purposes

Abbott Medical Electronics Co.

New unit - not released for marketing as of June 15, 1971.

Bio-Sentry Telemetry Inc.

Unit no longer being marketed for clinical applications.

Dallons Instruments

New unit - not released for marketing as of June 15, 1971.

Electronics for Medicine Inc.

New unit being redesigned to meet FCC requirements, not
released for marketing as of June 15, 1971.

Lexington Instruments Corp.

None.

Litton Medical Projects Inc.

None.

***

The authors have been informed by the respective companies that the American Optical
Corporation unit is manufactured by Hamilton Standard and the Electrodyne unit is manufactured
by Laser Systems Inc., and furthermore, that a test of both units would be redundant. Only one of
the two units was tested in each case, however, the manufacturers concerned have been separated
in the test result tabulations in order to reflect any differences in their published specifications.

Siemens Corp.

Unit not marketed in U.S.A. as of June 15, 1971.

Statham Instruments Inc.

New unit - not released for marketing as of June 15, 1971. Old
unit not available since it will be superceded by new one.

The authors are aware that a test of a single unit has very little statistical significance
with respect to the performance characteristics of the remainder of the product line,
however, the test results do lead to meaningful conclusions concerning necessary
safeguards one should undertake prior to acceptance of purchased instrumentation.
The tested parameters are tabulated, wherever applicable, in the order of test result
performance with published specifications included for reference. Also included in the
tabulations is the American Heart Association recommendations. Test procedures have
been omitted in order to facilitate access to the results, however, the measurement
accuracy of each parameter is given.

TABLE III
INPUT IMPEDANCE (INPUT SIGNAL = 1 mV p-p, at 10 Hz)
Manufacturer
Mennen-Greatbatch Elect. Inc.
American Heart Assoc. Recom.
Hewlett Packard Co.
Care Electronics Inc.
Laser Systems & Elect. Inc.
Electrodyne
EKEG Elect. Co. Ltd.
Spacelabs Inc.
Avionics
Hamilton Standard
American Optical Corp.

Test Results
MS ±10%
25 differential
16 differential
7.7 differential
5.0 single ended
5.0 single ended
1.1 single ended
0.93 single ended
0.35 single ended
0.31 single ended
0.31 single ended

Published Specification
MS
20
20
10
10
5.0
Not published
1.0
1.0
0.39
0.25
0.25

TABLE IV
INPUT IMPEDANCE (INPUT SIGNAL = 1 mV p-p, at 60 Hz)
Manufacturer
American Heart Assoc. Recom.
Hewlett Packard Co.
Laser Systems & Elect. Inc.
Electrodyne
Mennen-Greatbatch Elect. Inc.
Care Electronics Inc.
EKEG Elect. Co. Ltd.
Spacelabs Inc.
Avionics
Hamilton Standard
American Optical Corp.

Test Results
MS ±10%
16 differential
7.1 differential
7.1 single ended
4.4 single ended
4.0 single ended
1.1 single ended
0.80 single ended
Not tested
0.14 single ended
0.14 single ended

Published Specification
MS
20
20
5.0
Not published
20
10
1.0
1.0
0.39
0.25
Not published

TABLE V - SYSTEM FREQUENCY RESPONSE (3 dB POINTS)
Manufacturer

Test Results
(Hz ±5%)
.043 - 125
.05 - 115
.05 - 115

Mennen-Greatbatch Elect. Inc.
Hamilton Standard
American Optical Corp.
American Heart Assoc. Recom.
Laser Systems & Elect. Inc.
Electrodyne
Avionics
Care Electronics Inc.
EKEG Elect. Co. Ltd.
Hewlett Packard Co.

.086 - 135
.086 - 135
.03 - 81
.16 - 120
0.5 - 7,200
0.25 - 34

Spacelabs Inc.

1.0 - 22.6

Published Specification
Hz
.05 - 100
.08 - 100
.08 - 100
.05 - 100
.08 - 180
0.1 - 100
.05 - 100
.2 - 125
0.5 - 10,000
.33 - 50
.05 - 100 also avail.
1.0 - 50.0 standard
.08 - 125 optional

TABLE VI
COMMON MODE REJECTION RATIO* (Input Signal = 1 mV p-p, at 60 Hz)
Manufacturer
Mennen-Greatbatch Elect. Inc.
Care Electronics Inc.
American Heart Assoc. Recom.
Hewlett Packard Co.

Test Results
(dB ±10%)
> 100
69
54

Published Specification
dB
70 minimum
60 minimum
60
Not published

TABLE VII - SYSTEM NOISE
(Subject simulated by means of placing a 10 kilohm
resistor between each patient lead and ground)
Manufacturer

Laser Systems & Elect. Inc.
Electrodyne
Mennen-Greatbatch Elect. Inc.
Spacelabs Inc.
Hewlett Packard Co.
Care Electronics Inc.
EKEG Elect. Co. Ltd.
American Heart Assoc. Recom.
Avionics
Hamilton Standard
American Optical Corp.

*

Test Results
(FV p-p referred
to input ±10%)

Published Specification
(FV p-p referred to
input)

8
8
16
17
19
20
25

10
10
15
20
28.3
20
10
28.3 - 25 kS source imped.
50
25
25

40
110
110

This parameter is applicable only to differential amplifiers. Those manufacturers using single
ended amplifiers are therefore excluded from this tabulation.

TABLE VIII - INPUT BIAS CURRENT
(Worse case including turnon transients)
Manufacturer
Mennen-Greatbatch Elect. Inc.
Laser Systems & Elect. Inc.
Electrodyne
EKEG Elect. Co. Ltd.
Hamilton Standard
American Optical Corp.
Care Electronics Inc.
Avionics
Hewlett Packard Co.
American Heart Assoc. Recom.

Test Results
(namps ±5%)
4.2
6.6
6.6
8.9
9.0
9.0
100
240
600

Published Specification
namps
Not Published
Not Published
Not Published
Not Published
Not Published
Not Published
Not Published
Not Published
Not Published
1000

TABLE IX - MAXIMUM INPUT SIGNAL
(At onset of distortion)
Manufacturer
Avionics
Hewlett Packard Co.
American Heart Assoc. Recom.
Mennen-Greatbatch Elect. Inc.
Laser Systems & Elect. Inc.
Electrodyne
Hamilton Standard
American Optical Corp.
Spacelabs Inc.
EKEG Elect. Co. Ltd.
Care Electronics Inc.

Test Results
(mV p-p ±5%
25
10
9.0
7.8
7.8
6.3
6.3
6.0
5.6
5.0

Published Specification
(mV p-p)
10
10
10
6
5
5
8
8
6
5
5

TABLE X - DIMENSIONS, VOLUME
Test Results
Dimensions Volume Volume
(in ±.05 in)
(in3)

Manufacturer
Avionics
EKEG Elect. Co. Ltd.
Laser Systems & Elect. Inc.
Electrodyne
Spacelabs Inc.
Mennen-Greatbatch Elect. Inc.
Hewlett Packard Co.
Hamilton Standard
American Optical Corp.
Care Electronics Inc.

0.88x1.72 dia.
0.75x2.00x1.50
0.75x2.10xl.90
0.75x2.l0x1.90
0.94x4.75x2.44
1.00x4.60x2.50
0.89x5.00x2.80
1.00x5.l3x3.38
1.00x513x3.38
0.94x6.9x3.31

2.04
2.25
2.99
2.99
10.9
11.5
12.5
17.3
17.3
19.3

Published Specification
Volume Dimensions
(in3)
(in)
1.55
2.25
3.52
3.38
9.15
9.9
12.0
17.3
15.0
13.9

0.75xl.63 dia.
0.75x2.00x1.50
0.80x2.20x2.00
0.75x2.25x2.00
0.88x4.75x2.19
0.88x4.50x2.50
0.89x4.80x2.80
l.00x5.13x3.38
3.00x5.00x1.00
0.88x5.5x2.88

TABLE XI - WEIGHT (Including Batteries)
Manufacturer
EKEG Elect. Co. Ltd.
Avionics
Laser Systems & Elect. Inc.
Electrodyne
Spacelabs Inc.
Hewlett Packard Co.
Mennen-Greatbatch Elect. Inc.
Hamilton Standard
American Optical Corp.
Care Electronics Inc.

Test Results
(Ounces ±0.5%)
1.2
2.1
3.8
3.8
6.3
9.4
9.9
10.0
10.0
18.0

Published Specification
(Ounces)
1.1
2.1
4.0
Not Published
8.0
9.5
10.4
10.6
10.0
11.0

TABLE XII - BATTERY LIFE, CONTINUOUS OPERATION
(Based upon 70% of respective battery’s rated capacity
and a current drain at maximum supply voltage)
Manufacturer

Spacelabs Inc.
Avionics
Laser Systems & Elect. Inc.
Electrodyne
Mennen-Greatbatch Elect. Inc.
Hewlett Packard Co.
Care Electronics Inc.
Hamilton Standard
American Optical Corp.
EKEG Elect. Co. Ltd.

Test
Results

Publ.
Spec.

171
135
100
100
82
73
43
34
34
27

168
250
240
120
96
72
60
72
80
26

Rated
Supply
Voltage
8.4
2.7
8.4
8.4
±8.4
8.4
16.2
18.0
18.0
6.0

Current
Drain At
Rated
Supply V

Battery
Used

2.35
1.30
4.00
4.00
4.9
5.5
15.0
8.3
8.3
2.70

TR146X
TR112R
TR146X
TRI46X
2-TR146X
TRI46X
E136N
2-F216
2-E216
S41E

TABLE XIII
OPERATION FREQUENCY/MODULATION TECHNIQUE/TRANSMITTER
FREQUENCY TEMPERATURE DRIFT
Manufacturer

Hewlett Packard Co.
Care Electronics Inc.
Spacelabs Inc.
Laser Systems & Elect. Inc.
Electrodyne
Mennen-Greatbatch Elect. Inc.
Hamilton Standard
American Optical Corp.
Avionics
EKEG Elect. Co. Ltd.

Operating
Frequency
(MHz)

450 - 470
216 - 260
216 - 260
160 - 163
160 - 163
155 - 162
150 - 160
150 - 160
88 - 108
88 - 108

Transmission
Technique

FM/FM
PCM/FM
FM/FM
FM/FM
FM/FM
FM/FM
FM/FM
FM/FM
FM/FM
Direct FM

Transmitter
Temperature
Drift (less
than 50
ppm/EC
Yes
No
No
Yes
Yes
Yes
Yes
Yes
Yes
No

Conclusions (1) Wide variations exist in the performance characteristics among
commercially available EKG telemeters necessitating careful consideration of performance
specifications prior to procurement.
(2) None of the available telemeters meet all of the American Heart Association’s
recommendations. Compromises must be made consistent with individual application
requirements.
(3) Test results and published specifications in many cases are not in agreement. It is
strongly suggested that all units purchased be tested either in-house or by an independent
laboratory to substantiate performance characteristics prior to acceptance.
(4) Recent advancements in the field of semiconductors now make it possible to develop
systems which meet all of the American Heart Association’s recommendations. Only the
consumer, through judicious selection of instrumentation, can exert the necessary pressure
to effect such development.
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Summary This paper briefly describes the results of an experimental program
undertaken to develop and apply implanted telemetry to cardiovascular research.
Because of the role the kidney may play in essential hypertension, emphasis is placed on
telemetry’s applicability in the study of renal physiology. Consequently, the relationship
between pressure, flow, and hydraulic impedance are stressed. Results of an exercise
study are given.
Introduction This paper describes current results from an extended research program
designed to correlate dynamic blood pressure, heart rate, and blood flow changes during
a variety of psychological and physiological stresses. The advantages of an implantable
system for data acquisition will be emphasized. Indeed, an implantable system appears to
be the only means by which physiological parameters can be monitored completely free
of psychic stimuli from external attachments. Another frequently encountered problem
with externally mounted signal conditioners has been the incessant severing of
protruding leads by experimental subjects. This results in expensive, time-consuming
repairs and recalibration of the system. Infection at the site of the exiting leads is another
formidable objection to the use of external systems. There are, of course, more stringent
design problems when an internal signal conditioning system is chosen over an
externally mounted system. These problems and their solutions will be discussed in the
following section.
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Aortic blood pressure, heart rate, and renal blood flow data obtained from an
unanesthetized dog performing strenuous treadmill exercise will be presented. This is a
significant physiological stressor calling forth many homeostatic cardiovascular reflexes.
Radiotelemetry methods offer significant advantages over other data acquisition methods
when acquiring meaningful dynamic cardiovascular data.
Instrumentation In this application a frequency modulation mode of telemetry is
employed; therefore, common to all channels are a carrier oscillator, batteries, and
associated power controllers. Each individual channel in addition has a signal
conditioner in combination with a frequency modulated subcarrier oscillator. The system
utilizes a 9.5 vol mercury cell battery with a voltage regulator. Transmission is initiated
by an RF signal and terminates automatically after 10 minutes. A potential of 800
activations is available. By this expedient in concert with the use of low power
electronics an experiment with a potential duratior. in excess of a year can be conducted.
The basic concept of the instrumentation being reported upon in this paper has been
described previously (1). However, several modifications were found to be necessary
before this equipment could be utilized for long-term studies. One of the significant
problems encountered was that of body fluids leaking into the transducer plugs and into
the blood floi transducers themselves. The problem at the plug was solved by using a
polyolefin shrinkable tubing to encase the transducer leads (Fig.1). An effect analogous
to that of a telescoping fishing rod was achieved, which reduced the stress at this critical
junction of the lead and plug. The original blood flow transducers employed proved to be
unsatisfactory because of structural inadequacies. Therefore we have designed and
fabricated our own ultrasonic flow probes from cast acrylic. This probe has functioned
properly for an extended period of time. The voltage requirements of the signal
conditioning system have been reduced in the latest design. The dimensions of the
current two-channel system are approximately 2 x 3 x 1/2 inches.
Detection of blood pressure was accomplished by the use of chronically implanted
miniature pressure sensors. The sensor body is unalloyed titanium 6.5 mm in diameter
and 1 mm thick. This material is highly corrosion resistant allowing long-term direct
contact with body fluids. Four semiconductor strain gauges connected in a conventional
four-arm bridge are bonded to the inner surface of the small pressure-sensing diaphragm.
Positive pressure on the face of the transducer causes resistance changes which are
transformed to a voltage change. The sensor is quite sensitive producing approximately
30 mv/300 mm Hg.
Figure 2 is a block diagram of the signal conditioning system for blood pressure. The
system is “duty cycled” with a sampling rate determined by the basic frequency of the
subcarrier oscillators, i.e. 2300 cps for blood flow and 3900 cps for blood pressure.

Flow detection by an ultrasonic technique was selected because of several advantages.
As contrasted with the electromagnetic techniques, the ultrasonic flow-sensing probes
are lighter, power requirements are less, and the signal level is higher. The flow concept
used is illustrated in Figure 3. Two crystals placed across a flow section are excited in
phase opposition by a pulsed 5 mHz signal. The detected signals are either delayed or
advanced in time and are therefore modulated in phase proportional to flow. Proper
conditioning yields a voltage proportional to flow. The selection of the 180 degree
quiescent phase difference between the crystal voltages results in excellent sensitivity. In
practice, the flow velocity is quite low producing a maximum phase shift of less than 0.1
radian. Primary output signals typically are on the order of several tens of millivolts.
Applicability and Results A variety of stressors have been utilized in assessing the
applicability of this implantable telemetry system for chronic studies. They have
included psychosocial stressors, pharmacological agents, and treadmill exercise. An
exercise episode will suffice to illustrate the application of the device and to substantiate
its utility. Prior to exercise, the dog was held in a stand-stay position on the treadmill for
3 minutes. Exercise consisted of running on a 15-degree incline for 3 minutes each at 2
and 3 miles per hour, and for 5 minutes at 4.5 miles per hour; then back to 2 miles per
hour for 3 minutes, followed by 3 minutes of stand-stay on the treadmill. Typical results
are illustrated in Figure 4. For this dog, mean pressure fell at the onset of exercise with
perhaps a slight increase in mean blood flow. Pressure fell while pulse flow increased.
Throughout the course of exercise, mean pressure increased and mean flow decreased,
while pulse pressure remained unchanged and pulse flow increased. Since mean flow
decreased and mean pressure increased, the absolute value of the resistance to flow
increased. Also at the onset of exercise, df/dt increased and dp/dt remained constant
while throughout exercise both df/dt and dp/dt increased. It would appear that these
results indicate a definite decrease in resistance to renal blood flow at the beginning of
exercise. This renal blood flaw pattern would seem to correlate with the recent work of
Stinson et al. (2) who have demonstrated cholinergic vasodilatation during the reduction
of mean renal arterial pressure. It would further appear that as the severity of the exercise
increased and the oxygen consumption of the exercising muscles is concomitantly
increased, there is an increased resistance to renal bloodflow, an increased heart rate, a
slight increase in mean blood pressure--all of which reflect increased metabolic demands
(3). The increase in pulse flaw is probably due to significant vasoconstriction of
intrarenal vasculature, and flow results primarily at some point in systole. The flow rate,
df/dt, increased at onset of exercise apparently because of a decrease in resistance. The
rate of pressure change, dp/dt, is displayed to illustrate that at the onset of exercise df/dt
is apparently not a consequence of increasing dp/dt. However, as exercise continues, the
increase in pulse flow apparently results from an increased resistance to flow in vascular
beds not directly involved in the exercise; this results in an increased dp/dt. The modest
rise in mean blood pressure is in accord with previous exercise studies conducted with
the dog (3).

Conclusions The implanted miniaturized system used in this study eliminates clouding
of the data by emotional responses which occur in animals with other procedures and
permits a more valid interpretation of the influence of the manipulated variable on
physiological function. The implant method also allows a better definition of normal
physiological baseline conditions and eliminates the many problems associated with both
hardwire and external telemetry techniques. The equipment described appears to have
widespread application in chronic studies. Collection of quantitative and qualitative
blood pressure and blood flow data on free-roaming animals with the use of implant
telemetry considerably broadens the experimental field in cardiovascular research.
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Fig. 1 - Implantable Two-Channel Telemetry System
with Attached Pressure and Flow Sensors

Fig. 2 - Block Diagram of Blood Pressure Signal Conditioning System

Fig. 3 - Block Diagram Of Blood Flow Signal Conditioning System

Fig. 4 - Data Resulting from a Typical Exercise Event
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Summary A practical system for measurement and radiotelemetry of blood pressure,
blood flow and ventricular diameter in conscious, normal animals has been developed
and is in routine usage in studies of normal and pathological cardiovascular responses to
such perturbations as exercise. The general features of the system, the system
specifications and the system limitations and applications are summarized.
Introduction A major fraction of our knowledge of human cardiovascular physiology
is derived from animal models with the assumption that knowledge so derived is
applicable to humans. For example, a basic cardiovascular control mechanism identified
by experiments in dogs is assumed to have its counterpart in the human cardiovascular
system. Indeed, it is rare when results from animal experiments are totally inapplicable to
humans. However, most commonly such experiments are conducted using anesthetized
animals or excised tissue. While such experiments reveal mechanisms by which the
cardiovascular system is controlled, they do not confirm the extent to which so identified
mechanisms are drawn into play in the intact, unanesthetized mammal. For example, a
potent neural mechanism capable of reducing kidney blood flow to zero, has been
repeatedly identified in anesthetized animal preparations. This mechanism traditionally
has been believed to reduce blood flow to the kidney during conditions of stress such as
extreme exercise in the normal animal, i.e., blood flow was. thought to be shunted from
the kidney to pro vide a part of the additional flow required by the exercising muscle.
Recent work using direct measurements of renal blood flow during extreme exercise in
animals has demonstrated that flow to the kidney does not de crease during exercise
except under the most unusual (and probably pathological) circumstances. It is clear that
hypotheses regarding cardiovascular function and control must be ultimately tested in
normal, conscious animals with all control mechanisms intact and under as nearly normal
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conditions as possible. To this end we have developed an instrumentation system
suitable for measurement and radiotelemetry of fundamental cardiovascular mechanical
variables in normal animals undergoing spontaneous activities.
The system consists of instruments for measurements of ventricular or aortic pressure, an
instrument for measurement of regional blood flows and an instrument for measurement
of ventricular or aortic dimensions.
The transducers for each of the instruments are implanted using sterile surgical
techniques and complete surgical anesthesia. Two to six weeks after the implantation of
the transducers the animal is well recovered and the experiments are conducted. The
instruments are mounted in a canvas saddlebag carried on the back of the animal. The
signals from each of the instruments are transmitted from the animal using a low power
FM/FM system.
Pressure Pressure is measured using a miniature (6 mm disc, 2 mm thick) pressure
gauge implanted within the ventricle or the aorta. The gauge is a diaphragm type gauge
referenced against a vacuum. A full silicon bridge is fixed to the back of the titanium
diaphragm. The gauge is powered with a battery coupled through a temperature
compensation resistive network, and a voltage regulator. The output of the gauge is
nominally 30 mv/300 mm Hg. , and is amplified to drive a voltage controlled oscillator.
Flow Blood flow is measured using the ultrasonic Doppler shift blood flowmeter. This
instrument measures the frequency shift of 10 MHz sound back scattered from the red
cells of the moving blood. The frequency shift of the sound is related to blood velocity in
accordance with the Doppler equation. A cylindrical plastic cuff holding two
piezoelectric crystals in contact with the blood vessel wall is clamped around the blood
vessel at surgery. The 10 MHz sound is coupled from one crystal through the blood
vessel wall into the blood stream where it is scattered by the red cells. A fraction of the
back scattered sound is sensed by the second crystal. The resultant signal is heterodymed
with the projected signal and the difference frequency signal is extracted. This
audiofrequency signal varies from zero to nominally 15 kHz as the blood velocity varies
from 0-15-cm/sec.
Ventricular Dimensions The time required for sound to traverse the minor axis of the
left ventricle is taken as a measure of external ventricular diameter. At surgery, two small
piezoelectric crystals are sutured opposing each other on the outside of the left ventricle.
One crystal is shock excited with a 0.2 Fsec pulse at a 1 kHz repetition rate. The
resultant sound pulse traverses the ventricle at a rate approximately 1.5 mm/Fsec
typically requiring 50 Fsec to travel across the left ventricle. The sonic pulse is sensed by

the second crystal and a voltage proportional to the transit time is developed. This
voltage is amplified to drive a voltage control oscillator.
Subcarriers A standard FM multiplex system is employed. Since the output of the
flowmeter is already a wide band frequency modulated signal (0-15 kHz), a separate
subcarrier for blood flow transmission is not required. The pressure and diameter analog
signals are amplified to drive two low power, mv subcarrier oscillators on IRIG
frequencies. The lowest subcarrier oscillator frequency is selected to be well above the
highest frequency contained in the flow signal.
FM Telemetry Transmitter The low power FM transmitter operates at nominally 108
MHz for short range (100 meters) transmission and at nominally 432 MHz for line of
sight transmission. Transmission range is primarily a function of radiation efficiency
with an antenna of a size suitable for carrying on the back of the animal, i.e., a 6-8 in
vertical. The transmitter consists of a Varicap modulated 54 MHz oscillator, the output
of which is multiplied to the desired frequency, and amplified. The output of the
telemetry transmitter is coupled to a shortened, base-loaded vertical stub for 108 MHz
operation and to a quarter wave length vertical for 432 MHz operation.
Receiving Stations A large part of our work involved a study of the cardiovascular
response to extreme exercise in dogs. We have found that an effective way to motivate a
dog to run maximally is to take him into an isolated area in the country, drop him off,
and drive away; the dog most usually attempts to catch the bus. Radio receiving and
recording equipment is mounted within the vehicle. The equipment in the van consists of
an appropriate receiving antenna, a Heathkit AJ-15 FM receiver with the deemphasis
circuit bypassed and Airpax FDS-30 discriminators for demodulation of the pressure and
dimension signals. When 440 MHz is used a Parks Electronic Lab. , model 432-1 432
MHz to 105 MHz converter and receiving antenna are used. The wide band FM flow
signal is tape recorded on a direct record channel and the demodulated pressure and
diameter signals are recorded on FM channels. At a later time, the primary data are
played back on a direct writing recorder along with derived variables, i. e. , rate of
change of pressure, myocardial “velocity”, average flow, myocardial power and work,
and heart rate. Such records are analyzed to determine the cardiovascular response to
exercise in the normal animal and this is contrasted with the cardiovascular response to
exercise in the same animal in which a selected pathological process has been induced,
e.g., congestive heart failure.
Specifications The design goals for the system involved measurement and
radiotelemetry of pressure, flow and dimensions from large animals (dogs, baboons,
giraffes) with an accuracy and stability adequate for the experiments being conducted,
i.e., studies of the gross mechanical responses of the cardiovascular system to such

perturbations as exercise. The transducing sensors had to withstand implantation within
the animal for periods of time sufficiently long to allow complete recovery of the animal
from the surgical procedure. The size and weight of the electronics pack had to be such
that the system could be carried in a harness on the back of the animal.
A design goal of at least 10 hours of continuous operation with a reasonable battery pack
dictated the power consumption limitations. Temperature sensitivity was an important
factor since the experiments involved studies of animals sleeping in their outside
enclosures at night as well as exercise studies during the daytime, i.e., these studies were
not conducted in a constant temperature environment. The measured specifications on
the systems which currently are in use are as follows:
Left Ventricular Diameter - Pressure Telemetry System
Size: Two boxes plus antenna-shield. Total volume 41 in3.
Weight - with batteries and animal pack 5 lbs.
Power consumption: 700 mw (operating time 10 hours).
Temperature Range: +10 to +40 EC.
Pressure Range: 0 to 300 mm Hg (Drift, +0.3 mm Hg per EC.)
Diameter Range: ±7. 5 mm about any average ventricular diameter from 20 to 80 mm.
Diameter Error: (0. 03 mm/EC) (with use of built-in calibrator derived from crystal clock
this error is reduced to negligible proportions.
Diamter resolution: less than ±25 ns or ±0.04 mm.
In use, the instruments carried in a harness on the animal’s back are packed in foam
rubber and allowed to temperature stabilize prior to the start of experiments in order to
further minimize temperature-induced drifts.
Aortic Pressure, Regional Flow Telemetry System.
Size: One box plus antenna-shield. Total volume 21 in3.
Weight: with batteries and animal pack 1.5 lbs.
Power consumption: 500 mw (operating time 50 hours).
Temperature Range: +10 to +40EC.
Pressure Range: 0 to 300 mm Hg (Drift, +0. 3 mm Hg per EC.
Flow range nominally 0 to 150 cm/sec. blood velocity. (See discussion under
Limitations)
Flow Drift: The Doppler system for measuring blood velocity is inherently free of drift,
i.e., zero frequency difference is an accurate indication of zero velocity.
Carrier stability: better than ± 1 MHz over the indicated temperature range.

The frequency response of the instruments are purposely limited to pass 0-100 Hz by
filtering.
Limitations This system has proven adequate for short term experiments following a
long term of recovery from the implantation of the transducers. Still, this system has a
number of limitations. While the short term stability of the pressure transducers is
excellent, the long term stability of currently available transducers has been found to be
unpredictable at the time of purchase. Zero drift in a small number of the gauges has
been found to be negligible, i.e., less than 5 mm Hg/month. A similar small fraction of
the transducers have been found to drift as much as 60% of full scale per month.
Typically, the transducers have been found to drift at the rate of 15-25 mm Hg/month in
vivo. The in vivo drift rate is different from the shelf drift rate. From this it is clear that a
calibration against a direct measurement of arterial pressure using a catheter is essential
for accurate pressure measurement. We typically calibrate the pressure measuring and
telemetry system at the end of each crucial experiment. Since most of the gauges drift in
a constant manner, extrapolation between two direct calibration points appears to be a
reasonable approach where the experiment requires a considerable time between
calibration, e.g., two weeks in a freely roaming baboon. In brief, these gauges represent
what is probably the best compromise available among the criteria of stability, size
suitable for implantation and durability in the harsh implantation environment. Where
small variations in pressure are to be measured over an extended period of time, repeated
in vivo calibrations are crucial to accurate measurement.
The method selected for blood flow measurement also represents a compromise among a
number of criteria. There are a number of features of the approach which make it
extremely attractive for measurement and radiotelemetry of blood flow in long term
animal experiments. The approach is inherently stable since zero frequency output
mimics zero flow condition; the zero flow level can be established electronically without
the necessity of actual occlusion of the blood vessel. The transducers are extremely
lightweight, durable and have a low electrical impedance (50-200 ohm) at resonance
where the crystals are operated. This allows the use of simple twisted pair, unshielded
wire and reduces the electrical shunting effects of body fluids. The output of the
flowmeter is in the form of a high deviation, frequency modulated signal so that a
separate subcarrier oscillator need not be included, i.e., the raw data are transmitted with
minimal signal conditioning circuitry on the animal. Still, the Doppler signal as it is
currently analyzed indicates average velocity of the particles and has a constant
relationship to volume flow only so long as the cross sectional area of the blood vessel
remains constant. Extreme variations in either blood pressure or the velocity profile of
the moving blood can introduce significant errors in volume flow measurement. This has
not been a problem when the experiment is conducted two weeks or more after the
implantation of the transducer. By this time the vessel wall has become adherent to the
transducer and direct calibration against a graduate and a stopwatch indicates that the

measure of flow as provided by the Doppler flowmeter is an accurate reflection of the
variations of volume flow that occur. Where extreme variations in pressure, particularly
a decrease in pressure, or extreme variations in profile are expected, a direct calibration
should be included as a part of the experiment.
The ventricular diameter measurement is relatively free of error so long as the received
signal is sufficiently high that ambiguous triggering of the timing circuitry does not
occur. The transit time is calibrated directly against a crystal controlled clock using an
oscilloscope. However, interpretation of the diameter measurement in terms of strain of
the myocardial fibers is difficult due to the complex anatomical architecture of the left
ventricle, i.e., the left ventricle is not a simple thin walled ellipsoid of revolution.
In spite of the many apparent limitations of this system, it is providing new information
regarding such seemingly simple questions as “what is a normal response to exercise”
and “what modifications of the normal-responses occur under pathological conditions?”
A selection of papers is included in the bibliography to illustrate experiments in which
this system has been successfully utilized.
Circuitry details are available from the authors. The pressure gauge in current usage is a
Konigsberg #P-22, Konigsberg Instruments, Pasadena, Calif.
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Summary Biomedical telemetry has yet to fulfill the high promise generated by its
first significant use ten years ago. Most of the progress has been in research
biotelemetry; in the monitoring of animal physiology and behavior to gain new insight
into both the normal and pathological state. Many clinical applications have developed
but few, with the notable exceptions of telephone telemetry systems in cardiology and
the monitoring of astronauts, have achieved wide acceptance. The nub of the problem
has been the bias in equipment design and system orientation towards research criteria.
There is a compelling need and opportunity for telemetric systems specifically designed
for clinical, or on-the-spot, use.
Introduction Biomedical telemetry today stands on the threshold of widespread,
valuable use in clinical medicine and health care. Its worth as a technique to gain
continuous physiologic data which can be machine analyzed is proven. The quality and
unique nature of the information it can produce is universally acknowledged. All signs
are “go” for the harvest of this new technology.
Still, despite this progress and acknowledgement, biomedical telemetry seems to be held
back by some elusive barrier; a constraining force which keeps it from the great field of
clinical applications.
How far has biomedical telemetry really come? What are the problems that still inhibit it
as a proven clinical technique? Where is the technique going? These are the questions
we will try to answer in this brief review paper.
Let us start by considering the basic contribution that biomedical technology offers: Its
*
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ability to organize a research or clinical problem so that it is amenable to the “systems”
approach. All “systems” comprise an input, a medium to be traversed, and an output. In
medicine and biology, telemetry can be the integrating force which defines the problem
as a system. This is the crux of its contribution. Without this integrating force, many
medical instruments today fail to achieve their true value--they fail to create a system and
simply remain components from which full advantage is not gained.
While the role of biomedical telemetry is to organize information into a systems
approach, the goal of the technique is more specific: namely to faithfully convey
phenomena so that they are useable units of information. These information units can tie
into the normal thinking process of a human being or the physiological mechanisms of
the subject. They can similarly tie into a machine interface (for subsequent analysis by
the human being), or for action by the machine serving as a control system. Hence the
goal of biomedical telemetry--to gain useable information--is what makes possible its
role--the role of facilitating the systems approach.
Progress in Technique Considerable progress has taken place over the past ten years
in refining and improving the technical aspects of biomedical telemetry. A brief review
of this progress will help clarify the difficulties which seem to curb its wider clinical
application.
First let us consider the media being used. In the narrower technical sense, biomedical
telemetry today usually refers to special informational conversion or transmission
generally by radio or telephone. But this does not exclude combinations of the two or
lasers, ultra-sound, infrared, and other media which are not yet generally available to all
of us.
Whatever the mode of transmission chosen, coding of the data should be devised to save
space in the media, to convey not only signal but related information, and to allow for
feedback. The media should optimally be adaptive depending on the needs of the signal
at specific times.
A practical telemetric system design must include or interface with filtering for noise or
preemphasis of the signal, validity checks, buffering, longer-term storage, data reduction,
feedback, control circuits, and displays.
For good information transmission we have come to learn that different personnel are
required to assume responsibility for three specific areas in telemetry:
First there is the information source, including the transducer as well as the clinical
systems involved. Their characteristics and variability must be established as firmly as is
possible. The transducer’s message results from interaction between the time-varying

characteristics of a living source and its relatively invariant (or unadjusting) circuits and
components. It has been found necessary for both the engineer and biologist to
comprehend the transducer and information source equally well. This does not mean that
they each must specifically know the background rationale of why the characteristics
exist in transducer or biologic source. But, rather, that they must act as a team.
The second area of concern involves the amplification factor, noise, and the transmitter
which codes the message or signal. The methodology for this is within the realm of
today’s standard electrical engineering practice, and these items are open to creativity on
the part of the engineer. The biologist need not be more than passively knowledgeable
about this technique if he has conveyed to the engineer the true sense of what the
biologic system can be expected to do.
The third area includes the receiver and the subsystem responsible for decoding and final
transmission of the information to its user. Technical details here are primarily the
concern of the engineer.
Evaluation of final information the system produces is a matter for both biologist and
engineer. The display can mislead if how it is produced is not comprehended. The final
checkout requires that the interpretation makes sense, not just to the biologist but to the
engineer as well.
Noise and Distortion Superimposed on the telemetry system is a noise source which
has come to be considered an undesirable but always present element. Individual
component noise factors are significant, but in providing the user with performance
specifications only the total value is of importance. The more components, the more
interfaces, the longer the transmission distances--all of these tend to increase noise.
Higher-quality equipment may decrease it, but cost then enters the noise picture and
tradeoffs are necessary. Numerous noise reducing methods can be considered by the
engineer, but it is clear today that a good telemetric system need not be completely
noiseless. Optimization is what we are after for useable information units.
Practical applications of biomedical telemetry have proven we can cope with noise of
certain values, and we may even wish to have certain distortions to aid us in our analysis.
For example, high frequency-response loss in equipment results in slurring of the signal
which rounds off corners or peaks. Amplitudes are diminished and minute waves
disappear. But, this distortion may be useful in evaluating the electrocardiographic signal
from a subject with extraneous low-level random noise. Low frequency distortion is
helpful, as another example, in fetal electrocardiography. Maternal abdominal motion
and respiration can be eliminated for a better fetal electrocardiogram by elimination of
low frequencies, i.e. distortion. A goal of a good telemetric system is thus transmission
of known or established quality and characteristics.

Data Characteristics The combined effect of resistance, capacitance, and inductance
depends on their individual values in the system as well as on the nature of the input
signal. The engineer can calculate this. He has learned he should contrast hardness of
that type of data with medical, empiric soft data.
Biologic and medical signals have characteristics which are often due to historical as
well as physical or even physiological considerations. Biology was early studied with
devices with poor high-frequency response. String galvanometers and the like generally
had good low frequency response. Body signals, however, have been studied with these
for decades, and relationships between instruments and body characteristics were
established by trial and error. In the past we established dogma based on knowledge of
the basic signal, or the data acquisition system. In effect, in the past 100 years we
developed a cryptographic method of analysis of data generally recorded with
instrumentation of reasonable low-frequency response and without complete analysis of
input characteristics. Nevertheless clinicians have used the data and achieved reasonable
results.
Miniaturization Sensors or transducers should not change what the subject would
ordinarily engage in nor should they encumber an ill patient. Hence, miniature radio
transmitters attached to the sensor or transducer have been found to be a good way to
reasonably collect medical and biological data outside of a strict laboratory environment.
Miniaturized instrumentation for transducers and sensors was given a healthy stimulus
by the astronaut program. Endoradiosonds in biological experiments relating to animal
behavior, or for intracavitary organ data, for example, can transmit values of pressure,
temperature, acidity, oxygen tension, blood pressure, radiation intensity, motion,
bleeding sites, and other vital information such as the electrocardiogram and the
electroencephalogram. Too few researchers and clinicians have made use of these. In
part this has been because of cost.
With miniaturization, telemetry has been used not only to obtain data, but to provide a
signal stimulus. This and the feedback are significant contributions in the field of
research. Telemetric systems can of course trigger electrical, thermal, or any other type
of stimuli. The results suggest future methods for the study of human responses. Now
that the physiologist is able to transmit the stimulus and observe results in one’s own
environment, several types of studies are possible.
Today there are active and passive transmitters. The passive transmitter requires no
battery within its capsule and obtains its energy from external sources. The capability of
small transmitters as devices that trigger servo-mechanisms within the body must be
mentioned as a future possibility.

Telephone Transmission The most widely used medical telemetry system is the
telephone. Telephone transmission of medical signals has three principal justifications.
The first of these is the convenience due to its ubiquity. Telephone transmission systems
are able to eliminate certain problems involving identification of the patient,
intermediate storage, transportation to the central site. This may all sound too simple.
But, by sending a signal to its ultimate destination at the time it is acquired from the
patient, and thus eliminating intermediate manipulation, the path to on-line processing of
all data becomes cleared for mass use.
A second justification has been found to be time saving. When the distances involved are
long, telephone transmission can allow data to be sent and returned while it is still
usable. In an emergency situation, this advantage of telephone telemetry is obvious. This
particular value was one of the first to be widely recognized as consulting cardiologists
had telephone data receivers installed in their home and office. These allowed them to
give informed consultations immediately, without risk of life-threatening delay.
The third justification of telephone telemetry, one that is not immediately apparent, is its
“translation ability”. In order to receive signals or data from any patient location or
laboratory, a center need have only a telephone receiver. Whether the data is recorded on
various types and brands of tape recorders, or in different format, or with different
electrical specifications, it will enter the center via the telephone in a universal form and
be immediately adaptable to the center’s own equipment. The telephone supplies a
matching interface for transmission of data from machine to machine, regardless of
individual characteristics.
The first transmission of medical data by hardwire and components of a telephone
system was in 1903 by Einthoven who recorded electrocardiograms from a hospital and
transmitted them to his laboratory where his string galvanometer amplified the signal.
These pioneer efforts did not stimulate much other than the inclusion of hardwire in a
few hospitals for transmission of electrocardiograms from wards to the
electrocardiographic heart station. Part of the problem, of course, was the lack of
appropriate amplification and filtering, etc., that is lack of electronic telemetric systems.
Many of the problems were solved with the availability of FM systems and thier
decreased sensitivity to variations in signal amplitude as opposed to amplitude
modulation. This and the fact that the systems require less gain in the amplifiers and are
inherently less noisy than amplitude modulation led to the now almost universally
accepted usage of FM in medical telemetric systems.

The first commercially available medical telephone package appeared in 1958 designed
for electrocardiographic transmission. Although somewhat difficult to operate it was
used with some acceptance in the Kansas City area to allow practitioners to send
electrocardiograms from their offices to that of cardiologists for interpretation of the
signals.
Transmission of data by telephone is fairly well stabilized today. Three channel
multiplexing of medical signals is a routine in many cases. At the present time, we are
generally capable of reasonable quality transmission with existing telephone systems in
the United States and, to a large extent, elsewhere. The telephone companies maintain
certain tariffs for their data sets. Medical-data transmission from others’ data sets also fit
readily into their standard data systems.
Regretfully there is still lacking sufficient interplay between the telephone companies
and the manufacturer of the transducers and interface devices that can be used to send
data through the telephone. Often custom connections must be made. It would be
desirable to have standardization of output from every medical transducer in order to
have direct input into a telephone either by direct connection or audio transmission.
Higher quality would result. This area should be investigated by the manufacturers and
the telephone companies for their and, particularly, the users benefit. Medical
instrumentation groups should also look into this area of public interest.
Another area for suitable cooperation would be in the development of coding systems to
allow the user to transmit identifying subject codes and other ancillary data in a format
suitable for the telephone as well as the transducer. Identification mechanisms are an
indispensable item that has been left off most medical instrumentation in the past
producing huge record-room problems. Too much effort is now being put into solving
the record room problem without looking into the initial cause of the problem. These
initial coding problems are easily solvable by automation systems, if the coded
information is carried along with or preceding the signal. This is a job for the telemetric
system. The idea of voice communication for coding on the same channel is inadequate.
Radio Transmission The first radio transmission occurred in 1921 when the U.S.
Army SignaTCorp used a radio telemetry system for heart sounds. It was intended that
these be recorded on ships without physicians on board so that facilities on shore could
do the actual analysis.
With radio as regulated by the Federal Communications Commission, it should be noted
that a system that interferes with other radio operations can be considered illegally
operated, regardless of conformity to general specifications. The first medical radio
license was granted for medical signal transmission from ambulances. The definite or
special (if there be any) requirements for medical or biological radio transmission, either

short or long range, have not been established. In part this is due to lack of users and
expertise. Thus, rules and regulations standardizing equipment and modes of
transmission may yet be premature, other than as generally stated by the FCC for other
similar users.
A Model for Medical Telemetry Perhaps the most remarkable and finest model of
biomedical telemetry exists in the astronaut monitoring programs. Yet it is the sad truth,
both in reviewing telephone and radio, that we are years behind in adapting this to
medicine, as contrasted to space technology contributions to other fields. The astronaut
programs combine various methods of telemetric communication and a multitude of
advances in the field of electronic technology. The worldwide network of tracking
stations both on land and on ships allows inflight information to be transmitted and
received for immediate analysis.
Astronaut monitoring has allowed display on earth of a multiplicity of biological signals.
Temperature, electrocardiogram, respiratory curve, and blood pressure are of course the
most significant for vital sign determination. Electroencephalograms and
electromyograms are other suitable signals.
In general the number and type of signals required for space monitoring are no different
than the class of signal required by the anesthetist in the operating room, the physician in
his intensive care suite, or the biologist in the research laboratory. We must match the
advances made by the astronaut program with the advances made in the medical world in
interpretation of the signals by computers and have a real-time on-line aid to the medical
monitor.
There is also no difference in the volume and presentation of data required by the
clinician or the space-flight monitor. Trend information has been shown to be more
reliable than single values. This fact is known in medical practice but is not used as
extensively as it should be. Trend data today are usually obtainable after the fact.
However, large masses of data can have immediate analysis by statistical techniques.
Computers can handle the data and provide indices of where a subject is in reference to
previous training experience or where the subject is in terms of others of similar
characteristics or disease.
Clinical Applications Requirements placed on clinical systems of biomedical
technology are that components must have reasonable sensitivity, stability, and reliable
performance as required for the specific clinical work.
A typical application is to detect the energy from the fetal heart. The utility of radio
telemetry in this situation is evident. To initially detect the signal, wires need not be

strung on the mother’s abdomen. Wires add artifacts due to movement and induction
from AC power lines. Additionally, the subject is more comfortable without them.
Urbach developed a practical system for delivery suites which allows one to monitor the
birth process of several subjects. He first recorded from the abdomen of the pregnant
female. After the fetal membranes rupture, he attached electrodes to the scalp of the child
during birth. To these electrodes are attached miniature transmitters. Neither the birth
process nor the mother is disturbed and constant monitoring is possible. The delivery
suite can be wired for antennae placed in all required locations in several rooms and
hallways at different positions so as not to miss any of the signals. Once received at the
antenna the signals are transmitted to a central control room. The whole procedure does
not contaminate the area or obstruct it with wires but does afford proper observation.
Transmission is necessary for only 50-100 feet. This might well be the practical
requirement in most hospital situations that can be envisioned.
Perhaps the greatest potential in the near future for radio telemetry in a hospital situation
will be in intensive care suites required to monitor patients with heart attacks or
postsurgical suites or the operating room itself. In the distant future the principles
learned from these can be incorporated into monitors for every patient in the hospital.
This would diminish the requirements for increasing nursing personnel and could
diminish their constant performance of basic necessary but routine monitoring activities
that do not require the skill that the nurse possesses. Hospital design will be markedly
changed as a result of these advances.
Pioneering systems of biomedical telemetry have been described for neurosurgical
procedures, anesthetic, surgical, and other specialized needs. The primary problem is
determination of what parameters are actually needed, how much data is required from
these parameters and data presentation modes in each specific circumstance.
Telemetric monitoring offers an advantage noted particularly in coronary care units.
Hazardous conditions, such as ventricular tachycardia,detected early, can in most
instances be successfully treated without fatality. Monitoring systems to sound an alarm,
offer remote control, and initiate therapeutic measures require the use of on-line
computers to analyze and interpret the data. Telephone telemetry of the initially radio
received signal incorporated into a computer system (i.e., integration of various
subsystems) offers an important key to practical widespread application of clinical
telemetry.
On-line, real-time computer monitoring of any medical signal is now possible. For
example, pacemaker performance can be monitored and checked by telephone. The
computer’s analysis can include English interpretations for any required time period. It
can include a comparison with any other required time period, and can also have

predictive statistical interpretations attached to it. Further means to trigger alarm displays
can be provided by real-time on-line computer monitoring.
Need for Clinical Design Foremost in designing a biomedical telemetry system should
be whether the data will be for clinical purposes of on-the-spot action, or for further
research. Research and clinical systems are vastly different and should always be
considered so. There have been far too many systems oriented toward the researcher and
sold to the clinician. There is a vast need for clinical and nursing telemetering aids,
specifically designed to meet clinical requirements.
If service systems include recording for storage, they can facilitate research as the result
of clinical experience. This mode of research has been stressed too little in the past and
may, in fact, be the most important of all. The laboratory of the future may be the clinical
ward rather than the isolated and too unrealistic laboratory.
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Summary The use of digital transmission with narrow light pulses appears attractive
for data communications, but carries with it a stringent requirement on system bit timing.
In this paper we investigate the effects of imperfect timing in a direct detection (noncoherent) optical system using PPM bits. Particular emphasis is placed on specification
of timing accuracy, and an examination of system degradation when this accuracy is not
attained. Bit error probabilities are shown as a function of timing errors, from which
average error probabilities can be computed for specific synchronization methods. Of
significant importance is the presence of a residual, or irreducible error probability, due
entirely to the timing system, that cannot be overcome by the data channel.
Introduction The ability to generate extremely narrow, high energy light pulses from a
laser source has made the optical transmission of digital data extremely attractive for
modern communications. This possibility has fostered an exhaustive exploration of
optical communication systems, from both a theoretical and hardware point of view (e.g.
see [1]). The use of digital transmission with narrow pulses, however, carries with it an
extremely stringent requirement on system bit timing- i.e., time control of the system
sampling and integration intervals during each data bit. For the most part past analytical
studies have assumed perfect system timing, and the degradation caused by timing errors
in optical systems have been virtually ignored. In this paper, we investigate the effects of
imperfect timing in a direct-detection (non-coherent) optical communication system,
with particular emphasis on the specification of timing accuracy, and an examination of
the system degradation when this accuracy is not attained.
Consider an optical digital system that operates by transmitting a burst of energy in one
of two T sec adjacent time intervals to represent a binary bit. The above represents a two
level pulse position modulated (PPM) mode of transmission and is known to be optimal
under various criterion, when constrained in average transmitter power [2]. We shall
assume the transmitter and receiver operate diffraction-limited, so that the transmitted
energy corresponds to optical energy in a single spatial mode of the optical beam. Note
that T is the energy pulse width in time, 2T is the bit interval, and information is being
*
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transmitted at a rate R = 1/2T bits/sec. The optical beam is photo-detected, and its output
is integrated over a T sec interval. The start-stop timing for this integration is provided
by a synchronizing subsystem. The bit decoder makes a comparison of the integrator
output after the first T sec interval of each bit period with that after the second T sec
interval, deciding a one or zero accordingly. If the output of the photo-detector is
modelled [3] as a wideband shot noise process (detector bandwidth >> twice the bit rate),
then the integrator output after T sec of integration, beginning at time t, is proportional to
(1)
where k(t0, t2) is the shot noise counting process. Note we have neglected additive circuit
thermal noise in (1), which implies the use of high gain, ideal photomultipliers in the
photodetection operation. The counting process k(. , . ) of the photo-detector shot noise
is a random point process over The non-negative integers. For the reception of an optical
field over (0, T), with signal energy E and additive, white Gaussian background noise of
bandwidth B0 , the probability that the count value k(0, T) equals integer k is known to
be [4]

(2)
where S = E/hf = average signal count over (0, T), No = [exp(hf/kTe-1]-1 = average noise
count per mode due to background at ternp Te, h = Planck’s constant, f = laser frequency,
D = 2B0T, and LDk = Laguerre polynomial of order D. The parameter D is the count
dimension, or time-bandwidth product. (Physically, D+1 is the number of temporal
modes observed during the T sec counting interval.) The density PL(k;S, N, D) is called a
Laguerre counting density, and is exact for D = 0 and D >> 1, but is only approximate
for D . 1. Since the received average signal energy E over the time interval T can be
written as E = QsT, where Qs is the received average power, we have, alternatively,
(3)
where :s is the average counts per sec (count rate) due to the signal.
Under the typical operating conditions, we generally have N0 << 1 and D >> 1, and (2)
asymptotically approaches the poisson density

(4)

where N = DN0 represents the total noise energy in all modes. (For visible wavelengths,
N0 is generally on the order of 10-7 - 10-6 counts/rnode. An optical system at 10 microns
operating with a one angstrom optical filter and T = 10-6 sec, will generate a D of about
400.) Note that with the poisson assumption, the count probability depends only upon
the sum of the signal and noise count. That is, the count statistics do not distinguish
between the effect of signal energy or noise energy, but is determined solely by their
cumulative energy.
If we transmit a binary PPM signal with fixed signal energy in the signalling interval,
then the probability of making a bit error is simply the probability that the count in the
non-signalling interval exceeds or equals that of the signalling interval. (If the counts are
equal, an equal lilely random choice is made concerning that particular bit). If we denote
ki as the count in the ith interval, i = 1, 2, of a bit, then the average error probability is
(5)
From the symmetry of the transmission method, some of the terms above combine, and
the result simplify. Thus, for Laguerre counting, (5) becomes
(6)
where
= for k2 = k1, and is one otherwise. (The ½ factor accounts for the effect
of equal interval counts.) Note that the error probability using Laguerre counting, PE L,
depends explicitly on the count dimension D (time-bandwidth product). If the poisson
assumption is applicable, the probabilities in (6) are replaced by those of (4), and we
have
(7)

We see that the poisson error probability, PEp, depends only upon the parameter D
through the total noise energy N = DN0.
The poisson error probability is easier to compute than that using Laguerre counting, and
parametric studies of (7) have been extensively published [2, 5]. In addition,
comparisons of poisson and Laguerre error probabilities, in terms of the parameters
involved, has also been reported [6]. The primary conclusion is that at low noise levels
(N << 1), it can be conjectured that PEL . PEp for moderate (D . 100) dimensions.

Timing Error Effects The primary assumption in (7) is that the bit timing is perfect,
and the decoder counts photo-electrons exactly over the two,T sec intervals that
constitute a bit. If a time offset of A sec occurs during a bit period, due to timing errors
in synchronization lockup, -then the ;counting occurs over an offset interval. That is, the
decoder starts and stops counting over a T sec interval that is displaced by a A sec from
that containing the bit information. As a result only a portion of the true signal energy is
included in the signal count, while some signal energy contributes to the count in the
non-signalling interval. In addition, adjacent bit interference in the form of energy spill
over begins occurring. Assuming these adjacent bits each have equal probability of being
a binary one or zero, the poisson counting statistics in (4) are modified to

(8a)

and

(8b)
where :s is average signal count rate in (3). If we let S = :sT be the average count over T
due to signal, then the probability of error when a one is transmitted or timing error of A
occurs, is
(9a)

(9b)
where , = )/ T is the percentage timing error. The error probability is not symmetric
with positive and negative shifts ), since a binary one pulse always has a non-signalling
interval following it but may or may not have one preceding it. If a zero was sent, the
error probability for ) positive and negative would be reversed. Hence, the above
equations can therefore be interpreted as an average error probability when zeros and
ones are equal likely. Note that the resulting error probability depends only upon the
summation in the brackets, and the effect of ) is to simply alter the contribution due to
signal and noise; that is, if we compare (9) to the result in (7) which assumed perfect
timing () = 0), then we see

(10a)
(10b)
where
(11a)
(11b)
(11c)
Thus, timing error can be accounted for by merely reinterpreting the effective signal and
noise count per T interval while assuming perfect timing. Note that the timing errors
always act to reduce the effective signal energy, while increasing the effective noise, the
overall result degrading the error probability. It is important to realize that the fact that
the spilled over signal energy appears as effective noise energy is intrinsic in the poisson
assumption, and is valid as long as (7) describes the error probability.
A plot of (10a) and (10b) obtained by digital computation, is shown in Figure I for both
positive and negative timing errors. The results show a relatively fast increase in PE
(system degradation) as the offset ) is increased. The maximum offset occurs at
, = )/T = .66, as can be seen from (11a), but the system is essentially ruined (PE .. 5)
when *,*$ .5 or *)*$ . 5T. (This is the region where the effective signal to noise
energies, S'N' and S'/N”, are equal to or less than unity.)
A lower bound to the system performance as S 64 is included, obtained by envoking the
fact that at low noise levels poisson error probabilities and Laguerre error probabilities
with the same total noise are roughly equal, as pointed out before. Since the PEL
monotonically increases with the parameter D, the use of PEL at D = 0 will serve as a
lower bound for error probability. When the signal has count S and the additive noise
count is N, (6) with D = 0 is known to have the form
(12)
If we substitute the effective S and N from (11) into (12), and use this as a lower bound
for (10) then we have

(13)
where . = 1 when , > 0 and . = 2 for )< 0. Now as S64, the right side of (13) yields a
function dependent only upon ,, which is plotted as the S = 4 curve in Figure 5. The
result is interesting in that it shows that even as S 64, a relatively sharp system
degradation can still be expected. This can be attributed again to the fact that timing
errors cause a portion of the signal energy to appear as noise energy. Therefore, even
though an “infinite” signal energy is available, there is consequently an “infinite” noise
energy present, whenever , … 0, the overall result not dependent upon S at all, as (13)
illustrates.
Random Timing Errors The timing error that does in fact occur during a bit interval
depends upon the synchronization subsystem and its performance in maintaining time
lock. This is generally accomplished by tracking a transmitted sync signal with a locally
generated sync signal using a feedback tracking loop for error control. The timing error
) is therefore the tracking error between the received and locally generated sync signals,
and in reality should be considered as a random process in t. In typical operation,
however, the loop tracking bandwidth is much less than the bit frequency 1/T, and the
assumption of a constant timing error during a given bit interval is essentially valid. The
error is however random, and its statistics will depend upon the tracking loop model.
When sinusoidal sync signals at the bit frequency 1/T are used, and tracking is
accomplished by a phase lock loop following photo-detection, the steady state
probability density of ) is given by
(14)
where Pn(n) is the density of the loop tracking phase error n. This latter density has been
investigated for a system using a separate optical channel (different optical frequency)
for transmitting the sync information [7]. When the sync channel is in quantum limited
operation (high gain photo-multiplication and negligible background energy) the
probability density of the phase error has been computed. The phase error density
depends only upon the parameter
(15)

where BL is the tracking loop bandwidth and :sc is the average count rate due to the sync
signal, the latter directly related to the received power in the sync channel., The
parameter a is therefore the average number of sync signal counts occurring in the time
period 1/2BL. The bandwidth BL must be selected large enough to allow suitable
dynamical tracking of the incoming sync phase shifts (due to doppler, range undertainty,
and oscillator phase jitter). For " $ 3, the phase densities are, to a good approximation,
given by
(16)
where I0(") is the imaginary Bessel function.
An average timing error probability P̄Ē can be computed by averaging the PE * ) in (10)
over the random timing errors using the density p(A) obtained from (14). That is,
(17)
The integral in (17) was evaluated using a point by point integration of the data in
Figure 1. The results are shown in Figure 2, which plot P̄Ē as a function of “transmitted”
signal counts S, for a fixed background noise count N and fixed count " in the sync
channel. (The transmitted count refers to the receiver count that would occur if there
were perfect timing.) The results indicate the average effect of imperfect timing,
exhibiting the usual fall off in error probability with increasing signal energy, followed
by a flattening, or bottoming, of performance as S 64. The values at which PE flattens
depend upon the tracking loop signal count, and the asymptotes plotted in Figure 2 are
those obtained by averaging the S = 4 curve in Figure (5) over the density p()). This
bottoming of P̄Ē is extremely important since it represents a residual, non-reducible
error probability that depends only upon the sync system, and cannot be overcome by
increasing the bit energy to the data signal. A plot of this residual error asymptotes as a
function of loop signal count is shown in Figure 3. For example, with (") = 5 the results
indicate that we can never achieve an error probability less than 10-3.
It may be noted that the same residual effect due to imperfect tracking occurs in the
additive Gaussian noise channel (microwave system instead of optical) when using phase
shift keyed binary transmission. In this latter case, as data signal energy becornes
infinite, PE 6 0 as long as the tracking error is less than B/2 radians. Thus, the residual
error probability is simply the probability that the loop error exceeds B/2. In Figure 1 we
see that as S 64 we do not obtain zero PE (except at , = 0), and the residual P̄Ē tend to
be higher than the compatible microwave case. That is, to obtain the same residual PE,
the optical system requires more sync power.
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Summary In selecting a modulation format and modulation/demodulation techniques
for a 1-Gbit/sec intersatellite data link, a judicious balance must be struck between a
number of more or less contradictory factors for the choice to be an optimum one.
Particularly important are the factors that determine the average transmitter input power
required, as this has a large influence on launch weight and hence on cost. In this
connection, both the inherent efficiency of the modulation format and the power losses
involved in the implementation chosen obviously must be taken into account. The latter
choice depends, in turn, upon the status of component development assumed, or,
alternatively, on the amount of development risk that can be tolerated. Finally, in some
applications, the ability of the system chosen to handle a variety of data signal formats
and, in particular, to handle asynchronous data streams without requiring complex
onboard signal processing such as bit stuffing and bit stream reclocking must be
considered.

For the purpose of choosing a modulation/demodulation system for development and
laboratory study, it has been found useful to postulate a number of candidate
implementations that appear to be feasible using laboratory-demonstrated components.
Modulation formats of particular interest include (1) optical time-division multiplexing
of the type reported recently by Kinsel1 in which “on-off” modulation of short laser
pulses was used, (2) a variation of this method in which polarization modulation is used,
(3) binary baseband modulation of a cw laser,2 and (4) polarization modulation of a cw
laser by a microwave subcarrier which, in turn, carries the digital data either as biphase
or quadriphase modulation.3
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A comparison of systems employing these formats has been made on the basis of a perunit data transmission cost, defined as laser energy output required per data bit
transmitted. Existing bit-error-rate theory for digital baseband systems4,5,6 and a recently
developed theory for the subcarrier system7 are used in this evaluation. It is obvious that
transmission cost depends not only on the modulation format chosen but upon the
effective transmittance of the passive and active optical components required in the
transmitter and receiver for the modulation and demodulation functions. Therefore, the
development status assumed for these components has a large influence on determination
of the best system for a particular application. On the basis of current estimates of
components that can be space qualified within a few years, it is concluded that a system
that makes use of digital phase modulation of a microwave subcarrier has significant
advantages over the other approaches.
In order to verify and demonstrate the feasibility of a 1-Gbit/sec optical link using the
microwave subcarrier format, an experimental system featuring a quadriphase-modulated
1.5-GHz subcarrier and polarization modulation of a cw laser has been assembled in the
laboratory. The features of this system will now be described and its performance
illustrated.
The experimental system is diagrammed in Fig. 1. An argon laser with an intracavity
axial-mode selector provides a single-frequency, 0.514-Am, cw beam which is brought
to a focus within the electrooptic modulator. The modulator uses a lithium-niobate
electrooptic crystal and is of the microwave, octave-band type described elsewhere by
Chow and Leonard.8 In order to adjust the crystal birefringence bias automatically as
required for proper modulator action, a combination of thermal and dc bias control is
used. As shown in Fig. 1, the bias control amplifier derives its input by comparing the
intensities of the laser beam in the two orthogonal polarizations at the modulation output.
This phase-modulated subcarrier, which has essentially constant amplitude and
sidebands that extend from 1.0 to 2.0 GHz, is amplified to about 2 W. This amplified
subcarrier drives the octave-bandwidth optical modulator which, in turn, impresses the
1-Gbit/sec information stream on the laser beam by modulating the ellipticity of its
polarization at the microwave frequency. Ideally, the polarization is made to swing
between two linear orthogonal states at the extremes of the microwave modulation cycle.
The digitally modulated microwave subcarrier that drives the optical modulator is
generated in two steps. First, two separate microwave carriers derived from the 1.5-GHz
subcarrier oscillator (lower left, Fig. 1) are individually biphase modulated by two
independent 0.5-Gbit/sec data streams. The action of each of these modulators is to
reverse the phase of the microwave subcarrier at each change of state of its binary input,
as indicated by the two-state phasor diagrams in the center of the figure. Second, the two
biphase-modulated subcarriers that are in phase quadrature are summed to produce a
quadriphase-modulated subcarrier. Depending upon the binary states at the inputs to the

two biphase modulators, the output of the power summer assumes one of the four phases
shown in the upper phasor diagram. An important feature of this modulation method is
that the rf power input to the electrooptic modulator is approximately constant
(excluding switching transients), regardless of the particular digital sequences being
transmitted. Therefore, in contrast to baseband modulation systems, possible problems
with variable rf heating. of the electrooptic crystal and associated rapid changes of
birefringence are avoided.
At the receiver, the polarizer converts the ellipticity modulation of the transmitted signal
to intensity modulation at the microwave subcarrier frequency; the wideband
photodetector recovers the microwave subcarrier modulation from the laser beam; and
the subcarrier is amplified and fed to two synchronous detectors. The references for these
detectors are taken from an oscillator that is phase locked to the microwave subcarrier
(lower right, Fig. 1). Because the two data streams are carried by subcarrier components
that are in phase quadrature, they can be separated unambiguously by proper adjustment
of phase of the oscillator inputs to the balanced detectors.
Overall operation of the data link is illustrated in Fig. 2. The upper two traces show
portions of the two simultaneous 0.5-Gbit/sec data streams fed to the biphase
modulators, and the lower two traces show the corresponding output streams. The
shortest pulses in these samples are 2 nsec, and these are well reproduced in that the rise
and fall times are less than 1 nsec (sampling scope rise time < 0.1 nsec). A small amount
of top and bottom clipping occurs in the output baseband amplifiers, which also cause
the slight ringing observed.
Although the two 0.5-Gbit/sec data streams used in the test were run at the same clock
rate to permit display on a dual-trace oscilloscope, in practice there is no requirement for
synchronization between the A and B data streams. This is because each biphase carrier
component is modulated and demodulated independently of the other. Negligible
interference or cross-talk occurs, as has been shown by adjusting the time delay between
channels to one-half of a bit period, causing one channel to switch while the other is in
midperiod. This dual-channel capability permits two data streams to be handled
simultaneously by a single optical channel without requiring that synchronism be
maintained either between different (possibly physically separated) data sources or with
a fixed laser mode-locking rate.
References
1.

T. S. Kinsel and F. S. Chen, “Twenty-four-channel time-multiplexed optical PCM
communication experiment,” Digest of Technical Papers, 1971 IEEE/OSA
Conference on Laser Engineering and Applications.

2.

G. White, “A one-gigabit-per-second optical PCM communication system,” Proc.
IEEE, vol. 58, pp. 1779-80; October 1970.

3.

P. S. Castro et al., “A one-Gbit/sec cw laser communication experiment,” Digest
of Technical Papers, 1971 IEEE/OSA Conference on Laser Engineering and
Applications.

4.

W. K. Pratt, “Laser communication systems,” John Wiley and Sons, Inc., Chapter
11; 1969.

5.

S. Karp and M. G. Hurwitz, “Error probabilities for maximum likelihood detection
of M-ary Poisson processes in Poisson noise,” NASA TN D-4721; October 1968.

6.

T. S. Kinsel, “Wide-band optical communication systems; Part I -Time division
multiplexing,” Proc. IEEE, vol. 58, pp. 1666-1683; October 1970.

7.

G. F. Herrmann, “Poisson noise and error probability in optical communication
using bi-phase modulation,” to be published.

8.

K. K. Chow and W. B. Leonard, “Efficient, octave-bandwidth microwave light
modulators,” IEEE J. Quant. Elect. , vol. JQE-6, pp. 789-93; December 1970.

Fig. 1

Functional diagram of 1-Gbit/sec experimental laser communication system. Quadriphase modulation of
a 1.5-GHz microwave subcarrier and polarization modulation of the laser beam are used.

Fig. 2

Transmission fidelity of experimental system. Two 500 Mbit/sec input data
streams (upper traces) and the corresponding output streams (lower traces) are
shown. The shortest pulses are 2 nsec wide at half-amplitude. Time scale:
4 nsec/division.
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Summary This paper describes the design of a 1 Gbps digital telemetry/
communication system achieving a probability of bit error of 10-6. The system is based
on the use of near future (approximately 2 years) components and is suitable for use in
satellite- satellite, ground-satellite, and aircraft-satellite links. Both the advantages and
problems associated with the use of laser links are cited, and the techniques used in this
system that make use of the advantages and overcome the problems are identified. Small
packages and apertures are used to achieve high ERP (116 dBW), narrow beams with
small apertures permit use of low prime power (170 watts total for laser), enormously
greater link privacy and reduced susceptibility to counter measures is obtained, direct
detection eliminates doppler search and tracking, and the small package size gives
satellite systems multiple package possibilities. To obtain these advantages very narrow
(5 p radian) operational beams must be acquired and tracked, point-ahead offset for
relative terminal motions must be implemented, effects of atmospheric disturbances must
be minimized if the atmosphere is in the link, and any repeater configurations must
demodulate/remodulate because of lack of any laser system capability for frequency
translation and amplification. The following unique features of laser systems as opposed
to microwave cussed: requirements for acquisition and tracking point-ahead
requirements, unique modulation types hand circular polarization, unique types of noise
and background shot noise, elimination of doppler direct detection, ability of the
receiving system on its receiving aperture, unique atmospheric propagation disturbances,
and possibility of signal coding to remove the signal spectrum from the vicinity of the
noise spectrum.
Summary of Capabilities and Configuration of the Laser Link This paper describes
a 1 Gbps digital laser telemetry/communication system based on components that will be
available within the next 18 months to 2 years. The system is adaptable for use on the
following six types of links:

1)
2)

Synchronous satellite-to-synchronous satellite
Earth orbiter-to-synchronous satellite

3)
4)
5)
6)

Ground station-to-synchronous satellite
Synchronous satellite-to-ground station
Aircraft-to-synchronous satellite
Synchronous satellite-to-aircraft

Although these links may differ in some details according to their special problems, they
all have the following traits in common. Each link has two terminals, both terminals
capable of continuously transmitting and simultaneously receiving. One terminal has a
1.06 micron Nd: YAG 1.0 watt high data rate transmitter, and the other a 0.53 micron
doubled Nd: YAG 100 milliwatt low data rate beacon for use in acquisition and tracking.
The link can be acquired from initial pointing uncertainties as large as ±0.5E to
operational beamwidths as small as 5 microradians, (a reduction factor of 3,000 in
lessthan 20 seconds. The high data rate transmitter and beacon receiver can be packaged
together weighing approximately 100 pounds, and the combination beacon transmitter
and high data rate receiver package would weigh 125 pounds.
Advantages, Disadvantages and Unique Features of Laser Links Much higher data
rates become possible with the use of laser, rather than microwave links. Microwave
links appear to be limited to bandwidths of 300 to 500 MHz. In contrast, because of the
very narrow high ERP laser beams achievable with small apertures, laser links with
bandwidths from 1 to 10 GHz become practicable. For example, with a 1.0 watt
transmitter, a 1-foot diameter diffraction-limited telescope, and a wavelength of 1
micron, an ERP of 120 dBW is attainable. To reach even one-tenth of 1% of this ERP, or
90 dBW, would require a 100 watt transmitter and an antenna 17 feet in diameter at a
frequency of 60 GHz. Laser systems easily afford huge ERP’s with small antennas and
modest powers that microwave systems can only provide with monstrously large powers
and antennas.
Being able to achieve huge ERP’s with small packages has many advantages for satellite
use. Low drag profiles for aircraft and low altitude satellites become possible for high
data rate systems. Satellite launches are simplified because of the small antenna size.
Smaller packages afford multiple package, and therefore, multiple link possibilities to
satellites. Also, the narrow beams offer the potential for greater precision in position
determination.
Laser systems greatly enhance electronic countermeasures capability. The very narrow
beamwidths and the sidelobes, which are so low as to be non-measurable, afford link
privacy and reduced susceptibility to countermeasures. The ground footprint of the
transmitted beam when a satellite is involved in the link is very much smaller for laser
links than for microwave links.

When direct detection laser systems are used, doppler problems in acquisition and
tracking are eliminated. Direct detection systems simply count photons arriving over a
specific range of wavelengths. Huge ranges of frequency can be accommodated even
when the wavelength is restricted to a very narrow range.
Finally, communications at optical frequencies is free of the spectrum congestion at
microwave frequencies.
The very narrow beams that provide laser links with such high ERP’s also provide these
links with some severe problems. Acquisition and tracking of the extremely narrow
beams requires the design of a very accurate and flexible acquisition and tracking
system. For example, the laser beam should be tracked to an accuracy of a fraction of its
beamwidth to keep the pointing error losses low. Tracking to 1/10 of the beamwidth, or
0.5 microradian, accuracy in the presence of spacecraft vibration and line-of-sight
rotations as high as 1500 microradians per second is not a trivial task. Point ahead
compensation must be made for relative motion between the transmit and receive
terminals. During the time required for the light signal to travel from the transmitter to
the receiving terminal, the receiving terminal moves a small distance. Because laser
beams are so very narrow, the receiver may very well travel outside the beam during this
time, particularly if one or both link terminals is a satellite. The transmitter must then be
pointed ahead of the apparent receiver direction in order to intercept the receiver with the
transmitting beam. The apparent receiver direction is tracked with the aid of a beacon on
the receiver platform.
At present, laser system design is further complicated by the state of flux of component
development and the lack of knowledge of the kind and degree of some physical
processes which tend to disrupt laser propagation. Laser, modulator, and detector
technology is changing rapidly. Designing around components not as yet entirely
developed, as must be the case for a 1 Gbps system, requires that the system be designed
with a large tolerance for components development. Further tolerance must be allowed
for atmospheric links because the atmosphere causes many propagation disturbances, the
magnitude and variability of many of them as yet being unknown.
Repeater configurations must use demodulate/remodulate systems because there is no
available frequency translating and amplifying system. Laser repeaters are, therefore,
sometimes more complicated than microwave repeaters.
There are a number of unique features of laser telemetry as compared to microwave
telemetry. The types of noise and the noise variability with signal level are different from
microwave interference. The statistics of the emission times of electrons from the
detector cathode are Poisson for both signal and background. This means that there is
signal shot noise increasing with signal level whether any type of interfering source is

present or not. The signal-to-signal shot noise ratio increases linearly with received
signal power. Background shot noise arises because of optical radiation arriving at the
receiver from such spurious sources as sun, moon, stars, and man-made sources. Since
the photodetectors have a small dark current output in the absence of any input radiation,
dark current shot noise also interferes with the signal. Photomultiplier tubes are
commonly used as laser detectors. These tubes typically have such high gains that the
usual dominating type of interference in microwave systems, namely thermal noise, is
rendered negligible compared to shot noise. Laser system noise is then primarily shot
noise, which increases as signal level increases and arises from uncertainties in
photoelectron emission time, spurious background sources, and detection dark current.
The greatest amount of background and dark current shot noise is concentrated at DC.
Therefore, any signal waveform design which puts the signal spectrum away from DC
enhances the signal compared to the background and dark current shot noise. This
feature can be useful if strong backgrounds are present and must be rejected.
Unique types of modulation can be employed in laser telemetry. Polarization modulation,
such as left and right hand circular, can be used to construct a CW digital signal. Doppler
tracking and acquisition problems present in microwave systems can be obviated by
direct detection of laser signals. Another unique feature is that receiver orientation for
signal energy collection does not depend solely on the diffraction beamwidth 8/D: the
photodetection surface can be made large enough to collect all energy impinging on the
receiving aperture. Laser systems also encounter the unique problems previously
mentioned of accurate acquisition and tracking requirements, point-ahead compensation,
and atmospheric propagation disturbances generally worse than for microwave systems.
Also, there is no optical frequency translating and amplifying technique available for
relay terminals.
Operational Requirements on a 1 Gbps System Obtaining a 1 Gbps, or higher, data
rate with a low probability of bit error is possible if the telemetry system is designed to
meet some rather stringent requirements. The system described in this paper achieves
1 Gbps with a bit error probability of 10-6. The power, weight and size must be
compatible with the terminal platform - space, aircraft, or ground. The modulation
chosen must maintain acceptable performance on the link channel, channels in the
atmosphere presenting the greatest problem. Timely acquisition to operational
beamwidths must take place. For example, the system in this paper acquires a 5
microradian beamwidth in a ±0.5E pointing uncertainty region in less than 20 seconds.
Narrow beams must be tracked at the required rates. For instance, a low earth orbiter
using earth-pointing attitude control and communicating with a synchronous satellite,
requires a 1500 microradian per second tracking rate. Also when one or more of the
terminals is on a satellite, point-ahead must be implemented. The entire system must be

reliable and maintainable, perhaps for as long a time as 5 to 7 years in a space
environment.
A Laser Link Designed to Operate at 1 Gbps The high data rate transmitter/beacon
receiver block diagram is shown in Figure 1. The transmitter is a Nd:YAG 1.0 watt
output laser operating at a wavelength of 1.06 microns. A lithium niobate crystal
intracavity modulator imposes left and right hand circular polarization modulation on the
signal at the 1 Gbps data rate.
To transmit the 5 microradian operational beamwidth and receive the beacon signal, a
one foot diameter telescope is used. A dichroic beam divider composed of material that
reflects radiation at 8 = 0.53 micron and is transparent to radiation at 8 = 1.06 micron
reflects any of the incoming radiation outside a central hole to the coarse acquisition
image dissector. Once the coarse acquisition sensor is tracking the beacon, it positions
the received signal within the beam divider hole by using the transfer lens servo system.
The beacon signal then passes through the hole to the neutral density beam divider,
where it is split between the communication detector and the fine tracking image
dissector in a ratio of 10 to 1. The dichroic beam divider at the front of the receiver is
transparent to radiation at 8 = 1.06: so that the aperture f or the transmitted beam will
be large enough for formation of the 5 microradian beam. A beam spoiler is provided so
that the beam may be widened during acquisition. Risley prisms are used to accomplish
transmit beam pointing ahead of the direction of beam reception.
The beacon signal detector is composed of two photomultiplier tubes with quantum
efficiencies of 0.3 at a wavelength of 0.53 micron. A noise rejection filter 2.D wide
rejects interfering background signals. Both coarse and fine acquisition and tracking
sensors are image dissector tubes. These tubes permit rapid scan of a small instantaneous
field of view over a large dynamic field of view, limiting the background observed to the
smaller field of view.
The beacon transmitter/high data rate receiver block diagram is shown in Figure 2.
Operating at a wavelength of 0.53 micron, the doubled Nd:YAG laser has an output
power of 100 milliwatts and is externally circular polarization modulated by a lithium
tantalate crystal at rates as large as 106 bits per second. The optics are very similar to the
high data rate transmitter/beacon receiver optics, the telescope being larger (2 feet in
diameter rather than 1 foot), and beam splatters again being used to divide the beam
between the acquisition sensor and the data receiver. Because the high data rate tracker
requires so much signal during acquisition, the beam is split half and half between it and
the communication detector. No point ahead is required of thp beacon because its beam
is wide enough to encompass the point ahead angle. Likewise, one tracker is sufficient to
acquire the opposite terminal to the accuracy required for pointing the wide transmitted
beam.

Figure 1. High Data Rate Transmitter/Beacon Receiver
The high data rate signal detector is composed of two static crossed field photomultiplier
tubes with quantum efficiencies of 0.02 at a wavelength of 1.06 micron. Again, a 2.0 D
wide filter is used to reject background noise. In the receiver the acquisition and tracking
sensor is a quadrant detector. Even though the background from the entire detector
surface can interfere with the signal on a quadrant detector, it is used instead of an image
dissector because image dissectors at a wavelength of 1.06 micron have very low
quantum efficiencies. The quadrant detector locates the signal in a particular quadrant
and moves it to the center of the detector.
The high data rate link is operated in the following way in order to meet the requirements
on it. The YAG laser is modulated at I G/bps using a lithium niobate crystal inside the
laser cavity. Right-hand circular polarization represents a “one” and left-hand a “zero”
bit in the data stream. Radiation inside the cavity is of one circular polarization, and
application of a modulating voltage to the crystal changes the polarization to circular of
the opposite sense. The result is a data bit stream of I nanosecond pulses, some left-hand
circularly polarized, some right-hand circularly polarized. Because the laser is operated
in a CW mode, it makes efficient use of its power. A second point in favor of
polarization modulation is that it is thought to be very insensitive to atmospheric
disturbances, although data to support this is imcomplete.

Figure 2. Beacon Transmitter/High Data Rate Receiver
After it is modulated, the laser beam passes through the beam spoiling and pointing
offset assemblies. The beam spoiler widens the beam for initial acquisition only, and the
Risley prism is used for offsetting the transmitter pointing direction from the tracked
receiver direction. The beam then is reflected from the dichroic beam divider and is
transmitted through the Cassegrain telescope, which is used in common by the high data
rate transmitter and the low data rate receiver.
At the high data rate receiver the laser beam is split half and half between the fine tracker
and the signal detector. The detector is comprised of a polarization separator and two
photomultiplier tubes, one for each polarization. Bit detection is accomplished by
comparing the outputs of the two detectors: if the right-hand polarization detector output
is larger than the left-hand, a “one” is adjudged to have been sent, and vice versa. Such
reception requires only comparison and no difficult threshold setting depending on
background level, but does require balancing of the gains of the two channels. To meet
the high data rate requirements, the tubes must respond to 1. nanosecond pulses and have

sufficiently high gain so that the signal level is far above the thermal noise. The
electronics following the tubes must demodulate and handle data at a gigabit rate.
The half of the high data rate laser beam energy not used for signal detection is received
by a quadrant detector used as a tracker. This quadrant detector generates an angular
error signal which is used to control the gimbals for the whole laser communication
package for coarse positioning.
The beacon link is used to aid acquisition and tracking and can also be used for
command and ranging data. Operation of the doubled Nd: YAG beacon link is much the
same as for the high data rate link, except that the ERP can be lower for the lower rate
link. Therefore, a less powerful laser is needed and a broader transmit beam can be used.
In fact, the beam can be widened to 300 P radians while permitting reception of 20 kbps
command data, thus obviating the implementation of transmitter point ahead, which
reaches a maximum of 75 microradians over the range of likely satellite-to-satellite orbit
configurations. Circular polarization modulation is again imposed on the transmitted
beam, this time externally to the laser cavity using a lithium tantalate crystal.
Beacon reception is very similar to high data rate reception, and is done while splitting
the received beam between a fine tracker and a signal detector consisting of a
polarization separator and two photomultiplier tubes. The fine tracker is an image
dissector whose output servos a transfer lens in order to fine position the received
radiation and moves the gimbals for the entire communication package for coarse
positioning.
Before data transmission can be begun, the link must be acquired. Acquisition is begun
with a transmitter in a broad beam mode and a receiver searching a wide field of view.
Acquisiton is started with the terminal receiving that receives at the largest signal-tonoise ratio, considering transmitter power, pointing uncertainty, background radiation,
etc. In the case of the low earth orbiting-to-synchronous satellite link, the low earth
orbiter must receive first, facing away from the bright earth background. When the
receiving terminal acquires the signal, it begins to transmit on a narrow beam. Both
terminals then successively narrow their transmit beams and receiver fields of view until
operational acquisition takes place.
In order to obtain the angular accuracy to point the narrow high data rate beam,
acquisition must be accomplished in two stages, one coarse and one fine. During coarse
acquisition a dichroic mirror with a small hole in it reflects most of the incident energy to
the coarse acquisition sensor. As the coarse sensor acquires the signal, it begins to track
it and position the signal beam in the center of the dichroic mirror where the hole is.
Energy passing through this hole is then picked up by the fine sensor for final
acquisition. The system described in this paper acquires an operational beamwidth of 5

microradians with an initial pointing uncertainty of ±0.5E in less than 20 seconds.
Beacon coding is used to reject falsely acquired signals.
During communication, the tracking system must sense and measure the antenna
pointing error in two axes, where pointing error is the angular difference between the
nominal receive antenna boresight and the direction of arrival of the radiation from the
other end of the link. The system must then drive the receive boresight positioning
system and control the receive antenna position. Sufficient bandwidth must be provided
to track through all angular motions of the receive line-of-sight with respect to the
platform. This includes orbital motions and spacecraft attitude changes caused by normal
spacecraft attitude control and also by structural vibrations. To keep the pointing error
loss low, the tracking accuracy should be a fraction of the total beamwidth. The system
described here is designed to track to 1/10 beamwidth, or 0.5 microradian, accuracy.
Tracking rates as large as .078E/sec can be encountered with an earth-oriented low orbit
satellite-to-synchronous satellite link and may be required over 180E of gimbal angle.
For accuracies and rates such as these, spacecraft vibrations, which can be in the 1/2 to
50 Hz region with amplitudes as high as 50 microradians, present a difficult problem in
tracking.
A requirement for pointing offset of the transmitter and receiver arises because of the
relative acceleration of the two terminals. (see Figure 3.) During the time for transit of
the two-way transmit beams, one terminal may well move outside the other’s beamwidth.
With a low earth orbiter-to-synchronous satellite link, there could be a requirement for as
much as 75 microradians point-ahead. Risley prisms are used to point the transmit beam
ahead of the tracking receiver direction. A table of point-ahead values can be stored on
board the satellite, and interpolation is used in conjunction with the table. This is an open
loop method of generating point-ahead, and a problem exists with the open loop
technique in determining whether or not point-ahead has been accomplished. A loop
closed between the transmitter and receiver can be used with conical scanning of the
point-ahead beam and feedback of the con-scan error signal from the receiver terminal.
Point-ahead is made further difficult in ground-tospace links because of atmospheric
beam tilting. Some times this problem can be solved by using a wider beam and a very
powerful transmitter on the ground.
Laser Detection Processes In addition to standard considerations, such qs high
transmitter power and gain, there are some unique aspects to achieving good laser signalto-noise ratios. First of all, there is signaldependent noise even in the absence of any
other background interference. This noise results from the statistical nature of the times
of emission of photoelectrons from the detector cathode. The statistics on the number of
photoelectrons per time interval are Poisson. Let $s be the average number of signal
photoelectrons emitted per second. Then th signal power increases as $s2 while the signal

Figure 3. Point-Ahead Geometry
shot noise increases as $s. Therefore, increased signal level improves the signal-to-noise
ratio linearly in the absence of external interference. (See Figure 4 for spectral density at
output of detector cathode. This figure shows a total DC value resulting from signal,
background, and dark current and shot noise density from these three sources also.)
Background interference arises from spurious light sources. To reduce background noise,
a narrow band optical filter and a receiver with a narrow field of view can be used.
During acquisition an image dissector is especially useful in reducing noise from this
source because the dissector scans a small instantaneous field of view over a large
angular search area. It looks at background in the small instantaneous field of view only.
The contribution of background to the average signal level at DC and to the shot noise
density is also shown in Figure 4.
Dark current is the current flowing in the photodetector in the absence of any input
signal and is another noise source. With an image dissector, only the dark current
generated within the instantaneous field of view contributes to shot noise interference
with the signal. The dark current contributions to the DC level and shot noise density are
also shown in Figure 4.

Figure 4. Power Spectral Density at Detector Cathode Output

Two more noise sources of significance are thermal and residual modulation noise. The
gain of the photomultiplier tube detector is usually designed to be so large as to
overpower thermal noise, the usual dominant noise source in communications. A source
of noise present in polarization modulation systems is residual modulation of the wrong
polarization. The residual modulation appears in the output of the detector for the
undesired polarization and renders the decision as to which modulation was transmitted
more difficult.
The dominant noise sources for this system are, then, signal, background, and dark
current shot noise and residual undesired modulation. This is a very different set of types
of noise and noise statistics than encountered in microwave telemetry.
Direct detection of photoelectrons, which is possible at visible wavelengths, avoids all
problems in doppler shift and other frequency uncertainties during acquisition and
tracking. In this system, both the acquisition and tracking sensors and the
communication receivers use direct detection. Direct detection operates as follows. A
photon strikes the detector cathode surface. With a finite probability an electron is then
emitted from the surface and causes a detector output pulse on its arrival at the anode. A
counter adds these pulses over the detection interval so that the resulting output is a
direct detection of the number of incident photons. Using such direct detection, or
counting, all signal frequency uncertainty problems are obviated. For instance, doppler
shifts of signals do not impose a requirement for a large frequency search during
acquisition. Also, neither doppler nor source frequency drifts impose any frequency
tracking requirements.
For acquisition and tracking, two types of detectors - image dissector and quadrant
detector - are in common use. Each has its own set of advantages and disadvantages.
Using an image dissector as a photodetector, a large total dynamic field of view can be
scanned with a small instantaneous field of view. (See Figure 5.) At a qiven instant the
image dissector output current originates only from the small 21 x 21 instantaneous field
of view. This means that not only can a target be seen at a given instant only if it is
inside 21 x 21 , but also that only background radiation and dark current inside the small
FOV can be seen. Therefore, while a large field of view is being rapidly searched during
acquisition, the background can be limited to a small FOV. The scan speed can be
varied, stopped, and started at will and can be very fast. In the tracking mode, the
instantaneous field of view can be dithered about the signal spot, aiding the generation of
an error signal derived by tracking the center of the spot. Use of an image dissector also
offers the possibility of simultaneous acquisition and tracking of multiple signals.

Figure 5. Image Dissector Field of View
A second type of tracking detector is a quadrant detector. When a quadrant detector is
used, the receiver is not scanned, but the focussed image is moved to the center of the
detector and is maintained there within some limit cycle. (See Figure 6.) For the quadrant
detector, there is no instantaneous field of view gating of the background: the total tube
background is present with the signal at all times,,and the signal is within the active FOV
during all of acquisition. Since image dissectors with efficiencies greater than 0.1% to
0.2% are not available for the 1.06 micron wavelength, quadrant detectors must be used
for acquisition and tracking at this wavelength.

Figure 6. Signal Path on Quadrant Detector During Acquisition

Modulation Choice The choice of modulation format has a major impact on the
communication system complexity, size, weight, power, and hardware reliability. High
information transfer efficiency is desired to minimize the average signal power required
at the detector, thereby minimizing the transmitter prime power and antenna aperture
requirements. The laser may be operated in one of two ways: It may be pulsed in a very
high peak power low duty cycle mode, or it may be modulated in some way in a CW
mode, operation at high peak powers being more difficult than CW operation. Of the
modulations of the CW mode, those which avoid amplitude modulation are most
efficient. These reasons influenced the choice of CW polarization modulation for this
system.
In the case of atmospheric propagation, a modulation relatively insensitive to
atmospheric disturbances is needed - another factor favoring polarization modulation.
Still another factor in the choice is receiver design. Some modulations require a dual
channel receiver, some a single channel. The single channel receiver uses less
equipment, but its threshold depends on both signal and background levels and may be
difficult to set, and the dual channel receiver requires matching the gains of the two
channels. Polarization modulation uses a dual channel receiver - one channel for each
polarization, thus avoiding threshold setting. AGC is used to control the gains of the two
channels to equality and to provide a capability for operating in the appropriate portion
of the tube dynamic range. Yet another consideration in the choice is attainable
completeness of modulation. For example, there is leakage in the “off” position of
intensity modulation, residual polarization of the wrong sense in left and right hand
polarization, and leading and trailing pulse tails in pulse position modulation.
Implementation ease and feasibility in modulating and demodulating also influence the
modulation choice, especially at 1 Gbps data rates. Some pulsed modulations allow time
gating elimination of much of the background interference but CW modulations do not.
The I Gbps link described here achieves 10-6 bit error rate performance without such
gating, but the gating may be desirable for some systems at higher data rates, lower error
rates, or higher background levels.
Summary of 1 Gbps Link Achievements The laser link described here is designed to
make use of the advantages afforded by lasers and overcome the problems associated
with them. With 213 watts prime power and a 100 pound package, a 1 Gbps system with
a 10-6 bit error rate appears to be feasible. This package, which includes a 12-inch
telescope, achieves an ERP of 116 dBW. (At microwave frequencies of 60 GHz, a really
imaginative combination of transmitter power and antenna diameter, such as a 32-foot
dish and a 10 KW transmitter, are required to achieve 116 dBW.) The small telescope
required for this system has a much lower drag profile when used as a satellite or aircraft
antenna than an antenna achieving similar performance at microwave frequencies. The

small package also simplifies satellite launches and affords the possibility of multiple
telemetry packages.
The laser system has advantages in reducing vulnerability to jamming. Since the laser
beams have non-measurable sidelobes and leave small footprints on the earth, they have
greatly increased privacy and reduced susceptibility to ECM.
The direct detection of photoelectrons used in this system eliminates lengthly frequency
searches in acquisition and eliminates frequency tracking during telemetry transmission.
To see how advantageous this is, consider the doppler shift between two satellite
terminals whose relative velocity is known very well - to ±10 fps for example. At
8 = 1.06 micron, the resultant doppler shift is ± 6 MHz. To search this with a 100 Hz
acquisition bandwidth would require searching 120,000 frequency slots for every angular
cell.
The techniques used to overcome the problems associated with the use of laser links are
as follows. Both a coarse and a fine acquisition sensor are used sequentially to
accomplish the transition from an initial angular uncertainty of ±0.5E to an operational
beamwidth of 5 microradians, a factor of 3.5 x 103. The fine acquisition sensor is also
used for tracking and can achieve a tracking accuracy of ±0.5 microradian. Fine receiver
optics pointing is achieved with a transfer lens and coarse pointing with gimballing of
the telescope and communications package. A beacon is used at the link terminal
containing the high data rate receiver to aid in acquisition and tracking and possibly as a
command link. Point-ahead is accomplished by rotating Risley prisms by an amount
obtained from an on-board stored table. The modulation used is polarization modulation,
which is largely insensitive to atmospheric disturbances. Finally, high data rate
electronics has been designed and breadboarded, providing the demodulate/ remodulate
capability needed if a repeater configuration is desired.
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IMPROVING TELEMETRY TIMING ACCURACY
ROBERT S. PICKETT
ITT/FEC
Vandenberg Air Force Base, California.

Introduction Requirements exist to provide digital telemetry data time tagged to
within ± 100 :sec. of Range time. Timing uncertainties associated with standard
receiving, recording and processing equipment exceed one msec. While uncertainties
may be reduced through measurements and equipment procurement, accurate results can
be obtained from a simple equipment modification. Examples using the Minuteman
system are given to illustrate the technique.
Requirements for Improved Timing Accuracy Recently several data users have
placed requirements to provide digital telemetry data tapes with timing synchronized to
within ± 100 :sec of Range time. The requirements are based on the need for direct
compar ison of inertial guidance and radar data. Standard telemetry equipment now in
common use at most sites cannot meet this accuracy due to the accumulation of timing
uncertainties as discussed below.
Sources of Timing Uncertainties Assume that a particular data bit is received at a
telemetry site’s antenna feed at To. The digital tape produced from the site’s recording
must indicate that the bit was indeed received at To. Any variation is considered to be
the accumulated timing error. Referring to figure 1, there are eight basic categories of
errors which determine the total error. There is a transmission delay, )T1, from the
antenna feed through the receiving system to the analog recorder head. The station
master timing is not perfectly synchronized to Range tine, and introduces uncertainty,
)T2. The IRIG timing equipment is synchronized to station timing and the appropriate
code routed to the analog recorder head. Delays and synchronization error produce
uncertainty, )T3. The site’s analog recording is then sent to a computer processing
facility where serial analog data is converted to digital data. Timing uncertainty, )T4 ,
results from head spacing differences between the recording and playback machines.
IRIG standard 106-69 specifies a head stack placement for even and odd track heads of
1.5" ± .001". As timing may be on an odd track and data on an even track, there may be
as much as .002" displacement between data and timing during playback. At 120 inches
per second, this represents a 16.6 :sec. uncertainty. Head skew and gap scatter errors can
also be lumped with head displacement. )T5 is the time delay associated with transfer of
the data from the analog recorder, through the bit synchronizer and decommutator, to the

computer. This is a function of both hardware and software. )T6 is the error associated
with locking the IRIG timing translator to the signal from the recorder, and transferring
timing to the computer. Reference 1 provides a discussion of the error and the following
conclusions relating to IRIG B synchronization:
• Amplifier inversions can introduce a :sec. uncertainty if the inversion is not
recognized and corrected at the processing facility.
• Errors of 400 :sec. or more have been experienced in synchronizing translators to
IRIG B timing.
)T7 is the uncertainty associated with inserting timing marks in the digital data. This is
primarily a function of computer software and is typically ± 1 word time.
Reference 2 documents the cumulative uncertainties of )T4, )T5, )T6 and )T7. An
analog tape was played into the same processing station several times, and then played
into four other processing stations. Octal dumps were made from each data run, and the
timing associated with discrete data words noted. Pertinent results are summarized in
table IA and demonstrate that processing errors alone range from 100 to 1,000 :sec.
Reference 1 provides estimates of intersite timing differences experienced during launch
support. The estimates were obtained by designating one station as a reference,
computing transit times from radar or inertial guidance data, and calculating the expected
reception time of discrete events at each site. The expected reception times were then
compared to the actual data and differences computed. Pertinent results are summarized
in table IB and indicate errors of from 47 :sec. to :sec.
Thus, from an analysis of the hardware, software and the studies in references 1 and 2, it
is concluded that the timing errors accumulated on digital tapes will average several
hundred microseconds, and may exceed one millisecond.
Reducing Timing Errors, Brute Force Method The errors discussed can be
significantly reduced through an extensive program of field measurements, equipment
procurement, and software development. However, such a program would be expensive
to implement. To ensure that errors were consistently held below 100 :sec., continuing
quality control and data analysis would be required. Fortunately, there is a much simpler
technique which can be adopted.
Measuring Timing Errors, A Simple Method On high bit rate PCM programs,
excellent accuracies can be obtained with existing equipment and software. A simple
modification of readily available equipment is required to measure the timing errors.
Also, a spare track on one analog recorder is needed. The technique consists of inserting

a timing marker in the data stream in real tire. Refer to figure 2. The telemetry station is
patched for normal support, except that the video output of one data receiver is
connected to a bit synchronizer. The NRZ and clock outputs are used to provide Bi-N
data and clock. (Som synchronizers include this feature.) Conversion to Bi-N data avoids
the problems associated with NRZ recording and produces a data stream with the sam bit
time as the clock signal. The Bi-N data is recorded on tape until a 1 pps timing pulse is
received. The pulse triggers a switch which selects the clock signal rather than data.
After about one-half word tim., the switch again selects the data signal. The result is that
a sequence of all “ones” (or all “zeros”) is inserted in the data stream. Figures 2B and 2C
illustrate the logic and schematic of the switch used in development and testing on the
Minuteman program. The simplicity of the hardware required is self-evident.
To use the timing markers, the tracks are processed normally and octal dumps of the
digital tapes obtained. The all “ones” sequence is easily recognized and the first “me”
marks the frame, word and bit which corresponds to the station’s 1 pps pulse. The timing
on the normal data octal dumps is then computed for the same frame, word and bit. The
difference is the cumulative timing bias on the digital data tape. Figure 3 shows a typical
computation for a Minuteman tape.
Once the timing bias is determined, the digital tape could be corrected. However, this is
seldom necessary as subsequent computer processing usually includes provisions for
bias correction.
Computer Processing Considerations In computerizing the bias computations, me
problem of significance was noted. The all Itones” sequence was sometimes inserted
between all “ones” syllables. This complicated the search routine for the marker word
and introduced an uncertainty as to which of the “ones” in the combined pattern was the
marker bit. Analysts rejected these cases and used only the “good” samples such as the
one shown in figure 3. To maximize the samples available and to simplify the
programmer’s task, a modified switch is being developed which will insert four zeros
after the 1 pps pulse is received and then change to all “ones” for one word time. The
zero to one transition will then be used as the reference bit.
Software has been developed to designate whether the timing marker occurred during the
first or second half of a word. This reduces the computer processing uncertainty to onehalf word time . Efforts are underway to designate the correct word syllable. Successful
completion of these efforts will produce computerized bias computations for Minuteman
tapes accurate to within ± 50 :sec
Computer processing facilities have developed merging programs to provide a composite
tape from the best data sources throughout the flight. Several of the programs merge data

frame by frame with all data referenced to one site by transit time corrections. Where
such merging is accomplished, timing bias of the composite tape can be obtained by
comparing its octal dump to the reference site’s timing marker track.
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INTERMODULATION EFFECTS IN FDM TELEMETRY SYSTEMS*
C. S. JOHNSON
Telemetry Development Division
Sandia Laboratories
Albuquerque, New Mexico

Summary The performance of a telemetry system is affected by three principal
sources: the noise of the electronics, the noise of the transmission link, and the
intermodulation noise. Intermodulation noise is a significant contributor to signal-tonoise ratio of a telemetry system and can sometimes be more serious than the other noise
sources. The experimental results described in this paper are aimed at showing how
serious the intermodulation noise can be to a multichannel telemetry system.
Introduction A large number of variables must be considered when attempting to
determine the intermodulation effects in frequency division multiplex (FDM) telemetry
systems. This paper reports on tests made on two systems which have had as many of the
parameters as possible modeled in an identical fashion. A constant bandwidth (CBW)
FM/FM subcarrier system and a double sideband (DSB) FM subcarrier system have been
modeled with identical channel center frequencies, guard bands, data bandwidths,
numbers of subcarriers, filter bandwidths, and were transmitted over the same sets of
equipment. Every attempt was made to duplicate the test conditions so that the
measurements could also be used for a comparison of the two systems.
Intermodulation noise results when nonlinearities are present in an FDM system. The
data in these systems becomes especially vulnerable to the effects of the nonlinearities in
the transmitter-receiver links and the tape recorder. The products of the nonlinear mixing
of subcarriers fall into other channels in the system and create unwanted noise. If an
FDM system is evaluated under less than true dynamic conditions the results can be
somewhat misleading.
Test Setups The experimental test setups for the two FDM systems are shown in
Figures 1 and 2. The test signal for each data channel came from a 20-channel random
noise generator whose channels had output spectrums as shown in Figure 3. The output
was a symmetrical nonclipped Gaussian waveform with amplitude characteristics that
simulated sharp premodulation filtering to reduce adjacent channel interference of both
the FM and AM subcarriers. The frequency spectrum of the random noise data was ±1db
*

This work was supported by the United States Atomic Energy Commission.

from 20 Hz to 1 kHz and was down more than 35 db at 1.5 kHz. The peak-to-RMS
voltage ratio of each channel was 3.3 to 1. The input voltage range of both the CBW and
the DSB channels was ±2.5 volts. The true RMS value of each random noise output was
adjusted to 1.75 volts. This did not provide any safety factor for the prevention of
possible over-deviation of the FM subcarriers.
The signal-to-noise ratio as measured by the system is more accurately defined as

The quantity measured approximately equals the signal-to-noise ratio for low noise
signals. Test data was taken under three conditions: back-to-back; with the tape machine
interposed; and with a signal generator-receiver combination. There was less than 1 db
difference between back-to-back and high RF level S/N ratios.
The 20-channel FDM systems had subcarriers ranging from 12 to 96 kHz. An output
spectrum of the CBW system (Figure 4) shows that two of the channels were not utilized.
This is because the CBW system was selected to duplicate the DSB system which had
pilot tones or no subcarriers in these channels. The CBW voltage control oscillators were
deviated ±1 kHz. The CBW system was evaluated under a number of preemphasis
conditions: with a flat taper; with 3 db/octave taper beginning at 20 kHz, and with a
6db/octave taper beginning at 32 kHz which is the normal taper used for constant
bandwidth systems. No pre-emphasis was used on any of the tests for the DSB
subcarriers (Figure 5) because of the AGC problems that are encountered when
attempting to use preemphasis on dynamic subcarrier composite multiplex signals.
The data bandwidth of either system was 1 kHz. The channel spacing for both systems
was 4 kHz. The composite signal of all the modulated subcarriers (see Figure 6 for
modulated CBW spectrum) of either system was fed to the same P-band signal generator
at the same TRMS deviation voltage.
Since the CBW airborne multiplex was a nonstandard system, no discriminators were
readily available for demodulating the CBW channels. The channel selectors of the DSB
system were used to separate each CBW channel from the composite multiplex signal
coming into the ground equipment. The channel selector filters have a nominal 2-kHz
bandwidth. The output of the bandpass filter went to a-balanced modulator and was
translated to the proportional bandwidth channel 13 for demodulation by an EMR 210
discriminator. The usual low pass filter in the discriminator was replaced by a 1050 Hz
low pass filter. The noise for the translator-discriminator combination was 47 db below
full-scale output. This was the same as for the discriminator alone. The receiver used

during the test was tuned to 250 MHz with an IF bandwidth of 500 kHz and 250 kHz
video rolloff filter.
Signal-to-Noise Performance Equations 1 and 2 show the generally accepted.
expressions for the signal-to-noise ratio for the FM and AM subcarriers. ** The voltages
are all expressed in RMS volts and these equations have been reproduced to allow a
comparison of the experimental test results. It should be noted that these equations take
into account only thermal noise effects.

Definitions
(S/N)c
(S/N)cbw

=
=

(S/N)dsb

=

Bif
Blp
Fsc
Dc

=
=
=
=

Ds

=

IF signal-to-noise ratio.
RMS signal-to-noise ratio at the FM subcarrier demodulator filter
output.
RMS signal-to-noise ratio at the AM subcarrier demodulator filter
output.
IF filter noise bandwidth, in Hertz.
Low pass data output filter bandwidth, in Hertz.
Subcarrier center frequency, in Hertz.
RMS FM RF carrier frequency deviation due to a single
subcarrier, in Hertz.
FM subcarrier RMS deviation corresponding to the FM data
output, in RMS and Hertz.

By using the same RF equipment and comparing subcarriers at the same center
frequencies with the same data low pass filter, the following conditions can be made
equal: (S/N)c, Bif, Fsc Blp, and Dc.
A ratio of Equation 1 to Equation 2, shows the theoretical ratio of the CBW system over
the DSB system.
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Using Equation 3 as a basis of comparison and for these particular tests using subcarrier
deviations of ±1 kHz and 1 kHz low pass filter, the signal-to-noise advantage of a similar
CBW channel over a DSB channel is about 4.8 db. The data in Figures 7 through 9
shows that the theoretical signal-to-noise equations of the two systems do not accurately
predict the performance of the systems for the test conditions. Equations 1 and 2 can be
used in making a fair approximation of some of the data when the intermodulation
effects in a system are low.
The data (Figures 7, 8, 9) shows that a DSB system under equal loading conditions
provides a better signal-to-noise ratio on all channels than does the CBW system. The
curves also show that the CBW system improves with the lowering of the number of
active channels. This is the same phenomenon that exists with data decreases in a DSB
system.
The test data may not and in many cases should not be interpreted as optimum
performance. For example, a different receiver-transmitter combination with better
intermodulation performance would lead to better system performance, or different
safety factors used on FM subcarriers would lead to less adjacent channel interference.
Optimization of Transmitter Deviation Intermodulation noise can be generated by
using too large a transmitter deviation for the IF strip in the receiver.*** The optimum
deviation for the FDM systems was obtained by modulating an RF carrier at various
deviations. The signal-to-noise ratios were measured at the various deviations both at
high and low RF input levels. The results of these tests are shown in Figure 10. A
deviation of ±85 kHz RMS was chosen. The curves in Figure 10 show that an FDM
system will exhibit an extremely poor signal-to-noise performance if the deviation is
***
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either too low or too high, depending also upon the RF carrier signal-to-noise ratios. If
the combination of a low deviation and low RF signal-to-noise ratio is used, then the
subcarrier will be greatly affected by the thermal noise of the system. If the RF signal is
high, then a low deviation exhibits the best performance due to less intermodulation. A
deviation that is too large will lead to signal-to-noise degradation because the RF
spectrum becomes too wide to pass undistorted through the receiver’s IF amplifier.
S/N Improvement Versus Channel Activity A DSB/FM system has a dynamic
characteristic which causes the signal-to-noise ratio of a given test channel to improve as
other test channels are decreased in amplitude or eliminated from the multiplex. The
transmitter modulation control in the airborne package (an AGC circuit) will increase the
deviation of the active channels on the FM transmitter. For the 20-channel system
measured the signal-to-noise ratio will improve approximately 10 to 12 db as subcarriers
are decreased from 20 to 1. A 50 percent decrease in activity in the data channels will
award the users with about 5-db signal-to-noise improvement on the remaining channels.
This effect is rather constant regardless of the RF signal-to-noise ratio (Figure 11). The
improvement is also relatively the same for all channels in the multiplex regardless of
whether they are high or low channels. This is shown in Figure 12 where a 24-kHz
channel improvement is compared against an 88-kHz channel improvement. A factor that
cannot be measured accurately is the effect of intermodulation upon the signal-to-noise
improvement as the number of active channels is decreased. Decreasing the number of
active channels decreases the possibility of intermodulation noise. The best
determination of this indicates that 50 percent of signal-to-noise improvement in the
DSB system is due to a decrease in intermodulation effects.
A similar effect can be found for CBW FM subcarrier systems. The effect is evident in
some of the earlier figures (Figures 7, 8, and 9). The test data (Figure 11) points out that
a CBW FM/FM system has a type of dynamic signal-to-noise ratio which is based upon
intermodulation. instead of transmitter modulation control. The S/N improvement is not
as smooth as that of the DSB system. Figure 13 shows that CBW channels do increase in
signal-to-noise performance when the data is removed channel by channel. The data was
produced by removing data signals from the input of the channels in a random fashion.
Removing the data, in this case, did not remove the subcarrier oscillator from the
composite multiplex signal and thus all 20 subcarriers still deviated the FM transmitter
and were still present to cause some intermodulation. Removal of a few of the data
channels shows no improvement in signal-to-noise ratios in the test channels. However,
removal of the data signal from the channels next to the test channel did improve signalto-noise ratios as much as 6 db. The interrelationships of channels and effects were
highly complicated and no attempt was made to determine if a pattern could be found for
the effects observed on this intermodulation test.

Improvement of a given channel can vary as much as 20 db when the modulation on all
the other data channels is removed, thus a user in the field may expect to see a wide
range of varying signal-to-noise ratios in a CBW system transmitting dynamic data even
when the RF signal strength remains constant.
Tape Recorder Signal-to-Noise Performance The signal-to-noise performance of the
two FDM multiplex systems is shown in Figure 14. The curves are for record and then
playback. A notch-noise test was used to determine the optimum record voltages for
recording the composite multiplex signals.
Pre-emphasis The use of pre-emphasis on a frequency multiplex system is based upon
the thermal noise model of an FM discriminator where the noise output voltage increases
with increasing frequency.**** The model is usually a good guide for extremely wideband
and very linear systems, but when an FDM multiplex passes through a nonlinear system,
intermodulation noise becomes a significant factor to consider. The problem of
nonlinearity is generally too complicated for field engineers considering a practical
system to tackle through the use of mathematical models and hence the experimental
data derived from this paper can serve as a guide for the operation of a practical FM
telemetry system.
No conclusive statement can be made about whether to use preemphasis and how much
to use. The user may want to consider whether he expects to have high data activity, or a
low RF signal and where he has allocated the most important data channels before he
decides on preemphasis. Figures 15, 16, and 17 show the measured signal-to-noise ratios
for a CBW FM/FM system with three types of pre-emphasis. It must be remembered that
they simulate worst-case types of data transmission. In all cases, they show that the
12-kHz channel is affected the most by intermodulation noise. They also show that, if the
telemetry user wants all of his channels to threshold together with approximately the
same signal-to-noise ratios, the pre-emphasis should be flat; in other words, no preemphasis. If pre-emphasis is used, Figure 17 shows that all channels maintain a
separation differing as much as 5 or 6 db between the high and low channels as the RF
signal strength Decreases.
Contrast the examples shown in the previous curves with the performance of the
subcarriers as shown in Figures 18, 19, and 20. These curves were produced on the
CBW/FM system in which all channels were present, but no modulation was being
applied to the subcarriers. The thresholding conditions are obviously different between
the two set of curves. The performance of the system is more nearly predicted by the
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thermal noise equation since intermodulation effects and adjacent channel interference
are lower for this type of operation.
By using Figure 21, a comparison of the DSB/FM channels can be made under
intermodulation effects with those of the CBW system. Table I shows the RF input levels
versus (S/N)c of the receiver’s IF output.
Conclusion The test results in this report show that there are significant differences
between heavily modulated FM channels and the types of pre-emphasis used upon those
systems. There are significant differences in signal-to-noise performances of DSB and
CBW systems tested under identical conditions. It is hoped that this test data will provide
the user in the field some insight as to performance of AM and FM subcarrier systems as
well as the advisability of how much pre-emphasis to use on a given system. It is also
hoped that the curves will point out which channels will give the user the best signal-tonoise performance so that he may allocate his most important data to those FDM
channels.
TABLE I
Signal-to-Noise Performance of the Receiver
Versus RF Signal Power from the Generator
RF Input
(dbm)
-30
-40
-50
-60
-70
-80
-85
-90
-95
-98
-100
-103
-105
-107
-109
-111

IF S/N
(db)
28.5
28.0
27.8
26.6
26.8
24.8
20.7
17.7
12.4
9.8
8.2
6.3
4.9
4.1
3.2
2.7

Fig. 1 - DSB Experimental Test Setup

Fig. 2 - CBW Experimental Test Setup

Fig. 3 - Spectrum of Data
Noise Signal
(200 Hz/division)

Fig. 4 Frequency Spectrum of CBW
Multiplex (Linear Display;
0.65 mv/cm; Horizontal 10 kHz/cm;
6 db/octave Pre-Emphasis

Fig. 5 - Frequency Spectrum
of DSB/FM Multiplex (Log
Display, Horizontal 10 kHz/cm)

Fig. 6 - Frequency Spectrum of
Modulated CBW/FM Multiplex
(Log Display, Horizontal 10 kHz/cm

Fig. 7 - Signal-to-Noise Performance of CBW FM/FM and DSB/FM
(12-kHz Channel)

Fig. 8 - Signal-to-Noise Performance of CBW FM/FM and DSB/FM
(48-kHz Channel)

Fig. 9 - Signal-to-Noise Performance of CBW FM/FM and DSB/FM
(96-kHz Channel)

Fig. 10 - Variations in Signal-to-Noise Performance with Transmitter Deviation

Fig. 11 - Effect of (S/N)c on Channel S/N Improvements

Fig. 12 - DSB/FM S/N Improvement with Decreasing Channel Activity

Fig. 13 - Signal-to-Noise Improvement for CBW FM/FM with
Decreasing Channel Activity

Fig. 14 - CBW and DSB Signal-to-Noise Performance upon Tape Playback

Fig. 15 - FM/FM Signal-to-Noise Performance (Flat Taper)

Fig. 16 - FM/FM Signal-to-Noise Performance (3 db/Octave Taper)

Fig 17 - FM/FM Signal-to-Noise Performance (6db/Octave Taper)

Fig. 18 - FM/FM Signal-to-Noise Performance (Flat Taper; No Data on Channels)

Fig. 19 - FM/FM Signal-to-Noise Performance (3 db/Octave Taper;
No Data on Channels)

Fig. 20 - FM/FM Signal-to-Noise Performance (6db/Octave Taper;
No Data on Channels)

Fig. 21 - DSB/FM Signal-to-Noise Performance (Flat Taper)

NOTCH NOISE LOADING DATA ON PRE-DETECTION
RECORDING OF FM CARRIERS
W. R. HEDEMAN
Aerospace Corporation
M. H. NICHOLS
Consultant

Summary In a previous paper (1) the authors reported notch noise loading tests of
baseband (post-detection) tape recording showing dependency of the notch noise power
ratio, NPR, on record level. The purpose of this paper is to report notch noise loading
tests on pre-detection tape recording showing NPR dependence on record level, bias
level, and output equalization. Both the baseband and pre-detection recording tests were
made with the Hewlett-Packard Model 3950 recorder/reproducer. Generally, the predetection NPR were 5db or more improved over the baseband NPR. The extent of the
improvement depends, in part, on the quality of the vco and discriminators utilized for
the pre-detection recording as well as the carrier deviation. As the linearity of the vco
and discriminator and the phase linearity of the circuits that pass the pre-detection signal
are improved, the limiting factor in NPR is the noise added by the reproduce amplifier.
Increasing the record level above IRIG standard produces an improvement in the output
signal-to-noise ratio, NPRO, of 3 to 5 db using IRIG standard bias. Eliminating the bias
and recording at the level which results in maximum output of the fundamental produced
up to 8 db improvement in NPRO over IRIG.
In the course of the tests it was discovered that if harmonics are present in the recorded
pre-detection signal and/or are generated in the record/reproduce process, serious
intermodulation can occur unless a low-pass filter ahead of the discriminator is used.
Effect of Reproducer Equalization on NPR Data Figure 1 is a block diagram of the
apparatus used to measure NPR/NPRO data for the Hewlett-Packard 3950 tape
recorder/reproducer. The machine was set up in accordance with IRIG procedures. The
baseband was 108 kHz with 73 kHz rms carrier deviation. The DCS model GSO-1 vco
was used to generate an FM carrier at 450 kHz. The EMR model 4142 discriminator was
used with ±40% bandwidth and 250 kHz video filter. Krohn-Hite Model 3103A tunable
filters were used to filter out the harmonics. These filters roll off at 24 db/octave and
were used in the “max flat” mode. In Table 1, filter #1 was set for 100 kHz to 600 kHz
passband. Filter #2 was not in the circuit. Table 1 gives NPR data for different

equalization schedules. In this table, the figure 49/65 means that with the carrier
modulated, the NPR is 49 db. With modulation removed from the carrier the ratio is 65
db--this is called NPROM(1). The 65 db is the signal-to-noise ratio in the slot with the
intermodulation removed.
Line #1, back-to-back, give NPR with the vco feeding the discriminator through filter
#1. Because of the direct connection, the noise floor is more than 60 db down. At high
baseband frequencies, the NPR with modulation is limited mostly by non-uniform time
delay (departure of phase characteristic from a linear function of frequency) due to
narrow-banding the vco, bandpass filters and discriminator.(2)
Line #2 is with the HP 3950 in the loop at 60 ips. Equalization was consistent with IRIG
standards and the spectral response to a white noise input of bandwidth I MHz is given
in Figure 2, top trace. Note, from line 2 that the discriminator noise has risen by more
than 20 db mostly due to noise in the reproducer amplifier. The bottom trace in Figure 2
is the spectrum of the noise out of the reproduce amplifier which is emphasized to make
up for the loss of gain at the higher frequencies due to head-gap and tape effects. The
correction is all in the reproduce amplifier because of the IRIG requirement for constant
current recording.
Line #3 gives the NPR data for equalization outside the IRIG Standards. Figure 3 gives
the spectrum for this case. Note that the NPRO does not change much but the
intermodulation increases.
Line #4 gives the NPR with flat output amplitude gain--i.e., no gain equalization giving
the spectrum of Figure 4. Note that the NPRO again does not change much but the
intermodulation increases especially at the low-frequency end of the baseband. This is
explained qualitatively in Appendix 1 and is due mostly to static non-linearity resulting
from nonsymmetric attenuation of the side bands.
Effect of Record and Bias Levels Table 2 gives NPR data for different record and
bias levels for the Hewlett-Packard 3950 tape machine. Note that increasing the record
level above IRIG Standard increases NPRO at the high end of the baseband by 3 to 5 db.
The reason for this is that a larger signal is reproduced from the tape whereas the noise
remains constant. Because of the parabolic noise spectrum of FM, the improvement is
most noticeable at the higher baseband frequencies.
By removing the bias altogether and driving the record head directly from the vco
(through a flat amplifier), 5 db improvement in NPRO over IRIG record level was
obtained for the 108 kHz baseband. With this baseband, 7 volts rms into the head
produced maximum output. The corresponding improvement for the 204 kHz baseband
was 8 db. With this baseband, 10 volts rms into the head produced maximum output.

With IRIG STD. plus 5 or 6.5 db and 7-10 volts rms direct-to-thehead record levels,
there was considerable distortion introduced which generated harmonics of the carrier. If
these harmonics are not shifted in phase relative to the carrier, they do not affect the
discriminator output since the input to the discriminator is hard limited anyway.
However, the equalizer in the output amplifier introduces non-uniform phase delay at the
high-frequency end which shifts the phase of the harmonics. The result is serious
degradation of the NPR particularly at the low frequency end unless a low-pass filter is
used ahead of the discriminator. The harmonics in the output of the vco were reduced by
a bandpass filter before tape recording. For runs #1 and #2, filter #1 was set for bandpass
100 kHz - 600 kHz and #2 filter for 10 kHz - 800 kHz. For runs #2 and #4, a HewlettPackard Model 467A amplifier was inserted after filter #1 to drive the record head
through a 0.02FF condenser. For run #3, filters #1 and #2 were both set for 0 - 1.5 MHz.
For run #4, filter #1 was set for 0 - 3 MHz and filter #2 was set for 0 - 1.5 MHz.
Discussion The tape machine and other test equipment such as vcols, amplifiers,
discriminators, etc. , used for Tables 1 and 2 were more-or-less standard off-the-shelf
equipment. Thus, distortion of both static and dynamic types were present to limit the
NPRI due to intermodulation. By proper equipment specification, this distortion can be
reduced. (In micro-wave telephone relay equipment, the distortion has been reduced
several orders of magnitude compared to the data in Tables 1 and 2. However, the NPR
depends on the sum of intermodulation power and noise power so that when
intermodulation power is reduced, noise power controls the NPR. Thus, the NPR can
never be any larger than NPRO. If B is the difference between NPRO in db and NPR in
db, Figure 5 gives the correction )db to be added to NPR to give NPRI which is the
NPR due to intermodulation alone.(1)
An estimate of the NPR required to support constant bandwidth FM/FM may be obtained
from the following. An approximate theory relating the NPR to the output S/N of FM
subcarriers gives
(S/N)FM = 3D3 (NPR)

(1)

for the large carrier signal condition where
(S/N)FM

=

D

=

(NPR)

=

signal-to-noise power ratio in an FM subcarrier output when fully
modulated by a sinusoid.
subcarrier deviation ratio = B/2Fm where B is the bandwidth of
subcarrier selector filter and Fm is the cut-off frequency of output
low-pass filter.
notch noise test NPR at frequency corresponding to the subcarrier
frequency.

Thus, if D = 5, generally used with the proportional IRIG FM/FM format, the FM
subcarrier improvement is 375 or 26 db. In many missions, perfectly satisfactory data
would result with NPR of 20 db or less. However, the new constant bandwidth IRIG
FM/FM formats are intended for vibration, acoustic, and shock data which are wide band
and noise like and require wide dynamic range. In fact, based on the requirements for
support of these missions, a peak-to-peak to rms noise ratio in the output of an FM
subcarrier better than 46 db is necessary.(3) In terms of (S/N)FM in equation 1, overall
performance better than 49-9 = 37 db is required. Also, on large vehicles, many wideband data channels are often needed. To conserve the number of RF links required, it is
desirable to utilize each link to the fullest extent by using low subcarrier deviation ratios
- preferably around unity. For D = 1, equation 1 predicts only 5 db improvement at large
signal strengths where performance is limited by intermodulation. At low signal strength
(but still above carrier and subcarrier thresholds) the performance is limited by thermal
noise and the corresponding formula is given by equation (2).
(S/N)FM = 6D3(NPR)

(2)

In order to improve low-signal strength performance, maximum carrier deviation should
be used consistent with IRIG spectrum occupancy standards and allowed
intermodulation. At P band, the spectrum occupancy standards restrict the modulation to
about 110 kHz rms for the 100 kHz baseband.(4) We do not have data yet for L and S
band.
Thus to produce 46 db peak-to-peak to rms noise ratio in the FM subcarrier output with
D = 1, the NPR must be at least 46-9-5 = 32 db on the tape received by the user. If the
mission tape has been dubbed once, then the noise added by the dubbing reproducer is
added to the noise in the output of the user’s reproducer. This leads to a goal of at least
38 to 40 db NPRO. This goal is achieved with the HP 3950 on the 108 kHz and 204 kHz
baseband with 73 kHz rms modulation using IRIG record level or, better, by recording 5
db above IRIG or at 7 volts rms direct on the head with no bias. Other applications, such
as hybrid multiplexing - i.e., a baseband consisting of a time division multiplex plus a
frequency division multiplex - may require large NPR for efficient operation. Table 2
indicates the limiting values of NPR which can be obtained from the HP-3950 machine
by recording directly on the head with no bias.
The above data appear to confirm that an NPRO of 40 db or better can be obtained.
Improvement of NPRI is required to 40 db, or better, if the tape after dubbing is to
deliver an NPR of 32 db or better. This can be accomplished by improving the linearity
of the demodulator (the user must provide a linear FM transmitter) and the use of phase
equalization (or linear phase circuits) in all circuits carrying the pre-detection waveform.
This will require revisions in procurement specifications. When the static linearity and

phase linearity have been improved, it may be expected that the sensitivity of NPRI to
amplitude equalization, noted in Table 1, will increase in relative importance.
It must be emphasized at this point that increasing the non-linearity in the pre-detection
recording process, as by recording at a level greater than IRIG Standard or by direct
high-level recording without bias, tends to “freeze in” the thermal noise added ‘by the
telemetry receiver RF system, plus interfering signals. For example, suppose that it is
desired to use a final IF bandwidth larger than required for the modulation in order to
allow for carrier frequency drift, doppler shifts, etc. , with the objective of bandpass
filtering the signal at the output of the tape recorder before demodulation in order to
eliminate the excess noise. This can be accomplished efficiently only if the recording
process is linear. However, for a 200 kHz baseband of FM subcarriers, the IF bandwidth
required for the modulation is 750 kHz or more depending on the depth of modulation
and the phase linearity of the IF. Thus the additional bandwidth required for drift, etc. , is
relatively small and, in this case, the non-linearity introduced to produce better NPRO is
relatively unimportant.
There is a trade-off between static linearity and phase linearity. For example, if it is
economical to obtain high static linearity to give high NPRI at the low-frequency end,
pre-emphasis of the subcarrier amplitudes can reduce requirements on the highfrequency end where use of phase equalization circuits in the reproduce amplifier
amplitude equalizers may be expensive and inconvenient. See, for example, reference 5,
Figure 10.
Increase in record level above IRIG Standard level or recording at high level with no
bias at all requires more gain equalization. This is illustrated by Figure 6 giving the
response to white noise input with 7 volts rms on the head with no bias using
equalization set under IRIG conditions. The additional equalization required increases
the phase distortion unless phase equalization is used. In order to optimize the NPR from
a tape recorder/reproducer it is necessary to set the bias properly and to adjust the
reproduce head azimuth to produce accurate alignment with the signal on the tape to be
reproduced. If either or both adjustments are incorrect, more equalization schedule is
required. In addition, it is possible to produce poor NPR performance even though the
equalization is consistent with IRIG Standards. For example, Figure 7 shows a spectral
response characteristic consistent with IRIG but which produced NPR/NPRO of 38/38,
29/46, 19/41 and 18/22 in the 14, 34, 70, and 105 kHz notches, respectively, otherwise
under the same conditions as those of Table 1. It is evident that the problem was
incorrect adjustment of bias and/or azimuth which was offset by extreme equalization.
More details on effects of bias and azimuth adjustment will appear in a paper submitted
to the Telemetry Journal by the authors.

TABLE I
NPR Data for Hewlett-Packard Model 3950 Recorder/Reproducer
NPR db
Line
No.

Figure
No.
1

Notch Frequency

Mode
14

34

70

105

Back-toback

49/65

50/65

44/64

40/63

2

2

Tape

43/46

44/46

40/44

34/41

3

3

Tape

42/46

42/47

38/43

32/39

4

4

Tape

19/46

40/45

34/42

27/39

TABLE 2
NPR/NPRO AS A FUNCTION OF RECORD LEVEL AND BIAS

Appendix 1
Effect of Tape System Frequency Response on Intermodulation in the Pre-Detection
Mode Poor gain equalization across the passband changes the carrier modulation sideband amplitudes and phases. Consider first the effect of amplitude variation. To simplify
the discussion suppose that the modulation index is small so that only first order side
bands need to be considered. Then the vector diagram of Figure A-1 can be used to
represent the modulated carrier.
The side bands are initially 180E out of phase and of equal amplitude Am. The vector
sum of side bands and carrier is Ar. The frequency modulation of the carrier is 2(t).
Now suppose that due to poor gain equalization the two side bands are of different
amplitude A1 and A2. The result is indicated in the vector diagram of Figure A-2. It is
clear that the frequency modulation 2(t) is greater on the bottom part of the locus, than
on the top. This would produce even harmonic distortion of the static type. Static
distortion produces intermodulation which causes reduction of NPRI mostly at the low
frequency end of the baseband.
When the pre-detection circuits produce non-uniform delay across the pre-detection
passband, dynamic distortion results which reduces the NPRI mostly at the high
frequency end of the baseband. Since it may be expected that the equalizer networks
produce non-uniform delay across the passband, if uncompensated, a trade-off is
indicated between amplitude assymetry of the side bands and the delay distortion
introduced in equalizing the amplitudes of the side bands, if uncompensated for delay.
One solution is to incorporate phase compensating networks in the equalizer to give
proper amplitude equalization and at the same time decrease the delay distortion to
tolerable values.
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Figure 1. Block Diagram for Measuring NPR.

Figure 2. Spectral Response of Tape Recorder/
Reproducer corresponding to line 2 in Table 1.

Figure 3. Spectral Response of Tape Recorder/
Reproducer corresponding to line 3 in Table 1.

Figure 4. Spectral Response of Tape Recorder/
Reproducer corresponding to line 4 in Table 1.

Figure 5. Calculated Curve for Converting NPR and NPRO Data to NPRI.

Figure 6. Spectral Response for High-Level Recording with
no Bias at 120 ips. The frequency scale is 200 kHz/division.
The ordinate scale is 10 dB/division.

Figure 7. Spectral Response of Tape Recorder/ Reproducer
with Incorrect Bias and/or Azimuth Adjustment.

Figure A.1. Vector Diagram of FM Modulated Signla

Figure A.2. Vector Diagram When A1/A2

FRAME SYNCHRONIZATION IN PCM TELEMETRY
BERNARD PEAVEY
NASA-Goddard Space Flight Center
Greenbelt, Maryland

Summary Frame synchronization of PCM telemetry data can be accomplished very
effectively by employing the fixed threshold method with a unique strategy. Probability
of false sync acquisition and maintenance can be made negligibly small for data having
bit error rates less than 10%, at a small sacrifice in acquisition time. Furthermore,
experimental results indicate that frame synchronization is significantly affected by the
frame sync code length rather than by the code pattern itself, i.e., any pseudo-random
code is just as good. The difference in performance between “optimum” codes and any
pseudo-random code is negligible.
Introduction In PCM telemetry, the serial stream of binary data (bits) is composed of
words (groups of bits) which originate from one source, or are time multiplexed from
several sources. In order to identify these words and sources at the receiving end it is
necessary to append to each word a unique identification code, or group a number of
these words into blocks (frames or groups) and append only one identification code to
the entire block. The process of word or frame identification is called word or frame
synchronization, respectively. Reliable word synchronization by means of word sync
codes is extremely inefficient in terms of data bandwidth. Therefore, word
synchronization is used very seldom in general, and is not used at all by Goddard Space
Flight Center.
By inserting the same frame sync code in each frame of data, and establishing a fixed
frame length in terms of an integral number of words, it is possible to precisely identify
each word and its source with very small overhead, usually less than 5%. Thus, this
paper deals with the process of frame synchronization based on fixed frame length and
random data occurring in each frame. Since it is possible to achieve frame
synchronization (sync) and, thereby precisely identify each data word, the central
question is: under what conditions and what percentage of the time can this be done? To
answer this question properly, one needs to define and characterize the performance of a
given frame synchronization method (frame synchronizer) in useful and measurable
terms. Although the literature contains descriptions of specific frame synchronizers, and
methods for determining the probability of false sync acquisition (also referred to as
mean time to sync), the results have not been verified experimentally, and the conditions

for which these results have been obtained are not all inclusive from a practical point of
view.
In addition to frame sync performance characteristics, one ought to consider the
implementation aspects also. For example, a full fledged maximum likelihood frame
synchronizer is considerably more complex to implement (and almost impossible for
high data rates) than a fixed threshold type, which is very simple, while the performance
of the fixed threshold is only slightly inferior to that of the maximum likelihood, which
is theoretically optimum.
In this summary paper, an attempt is made to define frame sync performance
characteristics which can be measured under realistic operating conditions, explain the
frame sync process, and present test data on the performance of frame synchronizers and
frame sync codes. Application of frame sync methods in specific cases is also considered
in light of frame sync code selection, frame length, and data recovery.
Frame Sync Performance Characteristics In order to correctly recover telemetry
data it must be bit and frame synchronized. It is only under these conditions that each
frame of data can be identified and, therein, each data word can be properly recognized.
Thus, one obvious characteristic of a frame synchronizer should be the average time
required to correctly establish frame sync. This is called frame sync acquisition (FSA),
and is measured in terms of frames. Once frame sync has been acquired correctly, it must
be maintained for the duration of data. This is called frame sync maintenance (FSM), and
is measured in terms of frames maintained, or in terms of frames lost (FSL), i. e. , the
average number of frames retained falsely.
To measure these performance characteristics the frame synchronizer under test must
always receive bit synchronized data. This data must be random, and contain bit errors in
the amount of the expected bit error rate of actual telemetry data. The test instrument
must be capable of controlling the input to the frame synchronizer, count the number of
frames required to achieve frame sync, and verify the validity of the acquired frame sync
prior to registering the frame count. Following acquisition, the test instrument causes the
frame synchronizer to revert to the search mode and repeat the same process a sufficient
number of times in order to accumulate adequate statistical data. For FSL measurements,
the test instrument simply counts the number of frame sync losses versus the total
number of frames correctly maintained.
Since the main purpose of frame synchronization is to enable the data to be
decommutated and, thus recovered, it is very important to know the FSA and FSM of the
frame synchronizer used in the data handling system. In fact, FSA and FSM are the only
two characteristics which directly affect data recovery.

Frame Synchronization For a fixed frame length data format, frame synchronization
consists of detecting the frame sync code (FSC) and observing it in the same location of
each frame for the entire duration of the telemetry data. In an ideal case, one would wish
to obtain frame sync immediately upon having received the first frame of data, and
maintain it thereafter until the end of data. Indeed, it is always desirable to minimize
FSA and maximize FSM. However, since random data may contain groups of bits which
are replicas of the FSC, false detection of the proper FSC is certainly possible. This fact
suggests that there is a tradeoff between FSA and the probability of false frame sync
detection, PFS , depending on the frame length and the FSC length (the FSC itself is
found to have little or no adverse effect). Clearly, longer frames of random data contain
more data words resembling short FSC than shorter frames do - a fact of life which must
be accepted.
Frame synchronization, therefore, encompasses the selection of an appropriate FSC,
frame length (the number of data bits between which the FSC is inserted and is expected
to occur at the receiving end), and the procedure for correctly detecting this FSC not only
in error free data but also in data containing bit errors.
Frame Sync Code One of the parameters in the frame synchronization process is the
FSC. FSC is characterized by length (K bits), and a particular pattern which, presumably,
exhibits a correlation property such that PFS is minimized when this code is searched on
in a random stream of data having a given bit error rate (BER), usually less than 10%.
Thus, attempts have been made to find “optimum” FSC on the basis of a specific frame
sync procedure (strategy) such as described in Ref. 1. As shown in Ref. 1, these codes
were developed under the conditions that (1) the allowed number of bits in error is
always two (for all FSC lengths), (2) the BER is 10%, and (3) the frame sync is
established on the first “hit”, i.e., without verification. When these codes were subjected
to exhaustive tests, which simulated the expected data and the assumed BER, it was
determined that (1) these were not unique codes, and (2) the PFS given in Ref. 1 was
lower by 2-4 orders of magnitude. In fact, further experimental investigation indicated
that any pseudo-random FSC of 16 bits or longer was equally reliable and efficient.
Furthermore, the FSC length, rather than the pattern, is directly affecting the PFS , which
is considerably decreased with longer FSC.
Using PFS as a measure of “goodness” of frame sync codes (FSC), it is seen from
experimental investigations, carried out under conditions representing a wide range of
data formats and BER, that almost any pseudo-random code of reasonable length, say
longer than 16 bits, will perform equally well. Table 2 shows the PFS of several different
24 bit FSC. Although the 5th FSC produced a higher PFS than the other four codes, when
used with a frame sync strategy requiring two consecutive hits, even this code will
produce the same negligible PFS as the other codes. It should be noted that the PFS in
Table 2 were obtained on the basis that frame sync was detected on the first hit, and the

number of allowed bit errors, Es, in the FSC was “2”. However, the particular strategy
used is not important as long as it is the same for all codes.
Frame Sync Code Length As mentioned previously, PFS is very much dependent on
the FSC length, K. Table 3 shows, for example, that a 10:1 improvement (decrease) in
PFS can be achieved by increasing K from 18 to 30 bits. This is a significant improvement
in situations where FSA must be very small, say one frame. Indeed, regardless of the
synchronization method, the longer the FSC the smaller PFS and FkA will be. This is
due to the fact that in random data longer words resembling FSC occur less frequently
than shorter words do. In most cases, if not all, it is seldom necessary to use more than
30 bits. This applies to formats having 4000 bits per frame or less. Experimental data
indicates that with K = 30, BER < 10%, and frame length, L # 4000 bits (L > 4000 was
not tested, however, there is no reason to suspect significant degradation for L < 10000),
PFS < 2% when frame sync is acquired on the first hit, and if Es = 3, the attendant
FSA = 1. A fixed threshold frame synchronizer requiring only one verification (2
consecutive hits) has been demonstrated to acquire frame sync with PFS less than 10-5 and
FSA <3 for BER <10% using 18< K <31.
Frame Length In general, PFS has been observed to increase approximately linearly
with L. However, the significance of L should be viewed not in terms of PFS, rather in
terms of data recovery. Since FSA is given in frames, it is clear that when L is large a
substantial amount of data will be lost during the frame sync acquisition period. This is
particularly true when frame sync cannot be maintained due to loss of bit sync, and
reacquisition becomes frequent. This consideration certainly outweighs that of PFS which
may increase from 1% to 2% over a span of 3000 bits, as shown in Table 4.
Frame Synchronization Method Frame synchronization can be accomplished in
several ways with rather similar performance characteristics and different degrees of
sophistication. Some of the techniques are: (1) maximum likelihood, (2) maximum
correlation, (3) variable threshold, and (4) fixed threshold. All of these techniques are
designed to accomplish the same function, viz. , detection of the a priori known FSC in
the telemetry data. Each of these methods performs this function with somewhat
different PFS and, therefore, varying FSA. Since the optimum method can achieve FSA
# 1, the other methods are not expected to be superior. Indeed, their performance falls
into the range of FSA < 3, for BER < 10%. Although these methods exhibit some
differences in FSA performance, there is virtually no difference observed in the
performance of FSM. This is true because each method lends itself to the utilization of
the same strategy for FSM.
The maximum correlation (MC) method uses the principle of finding maximum
correlation between the FSC mask and the random data within one frame length. If

several values are found to be equal, the first one is chosen as the frame sync. If this
were indeed the correct location of frame sync, then exactly L bits away one would
expect another maximum correlation, etc. Though this procedure is simple enough, it
does not by itself produce low PFS . In practice, this procedure is augmented by a
“verification strategy” which requires the examination of the bit errors in the expected
frame sync location L bits away from that of the initial maximum correlation. This
strategy considerably lowers PFS, but also increases FSA.
The variable threshold (VT) method attempts to vary the allowed bit errors in the search
mode, Es, and those in the verification and maintenance modes, EL, on the basis of a
priori knowledge of the data BER, and the number of bit errors observed in the frame
sync location. Again, it is seen that a certain strategy is involved, and this strategy
depends on the BER. If the BER is accurately estimated, the performance of this method
is about the same as that of the MC method.
The fixed threshold method (FT), as the name implies, employs fixed numbers of
allowed bit errors with which frame sync may be acquired and maintained. Depending on
the expected data BER and FSC length, K, used in the data format, it might be necessary
to require one verification in each mode. The value of Es (bit errors allowed in search) is
determined by Es # (BER)K, and EL (bit errors allowed in lock) is always set to
approximately 0.3 K. For example, if BER # 5%, and K = 30 bits, then Es # 0.05 = x 30
= 1.5 or 1 bit, and EL = 0.3 x 30 = 9 bits. In general, it has been determined
experimentally that for K > 24 and BER < 5% no verification is required in either mode.
Otherwise, only one verification is needed in both modes to assure best performance in
terms of FSA and FSM. By verification is meant the “successive occurrence of hits or
misses” in acquisition (search) or maintenance (lock) mode, respectively. For example,
one verification implies the occurrence of two successive hits (or misses), i.e., the initial
and a second hit (or miss) separated by exactly L bits (one frame length).
The rationale for setting Es and EL to the values mentioned above (which was verified
experimentally) is that, in order to minimize FSA, the allowed number of bit errors in the
frame sync correlator should be equal to the expected average bit error rate. Since, in
practice, the BER seldom exceeds 10%, Es may always be set to #0.1 K, whichever
amounts to integral bits. Indeed, since bit synchronization is seldom maintained for
BER > 10% (E/No < OdB) anyway, it is unreasonable to expect frame synchronization
under such conditions. To maximize FSM, the strategy must be such as to permit transfer
to search only when there is no data or when there is bit slippage (loss of bit sync). Thus,
infrequent bursts of bit errors due to the noise distribution or sudden degradation of the
communication channel, should not cause loss of frame sync as long as bit sync has been
maintained. Therefore, EL is chosen on the basis of the probability that the expected BER
would exceed 3 times (or less) its mean value is negligible. For normally distributed
noise, hence normal BER distribution, P(BER > 3 times its mean) is extremely small, and

that this would occur twice in a frame of 4000 bits is, for all practical purposes, “zero.”
Therefore, by setting 0.3 K < EL < 0.4K, FSM is assured to be maximum. It should be
observed that, theoretically, EL could be set to 0.49 K, since only bit slippage would
cause 50% bit errors in the FSC, as well as in the data, of course. The danger of setting
EL > 0.4 K (40%) is due to the possibility of falsely remaining in lock. This is why the
FT method requires the PFS to be negligibly small.
Performance of Frame Sync Methods Experimental tests of the MC, VT, and FT
methods indicate that the overall performance of each one is approximately the same for
BER < 10% and K > 16 bits. Each method is highly dependent on the particular strategy
used for given BER and K. However, the FT method, in addition to being the simplest to
implement, is the least sensitive to these conditions. Actually, the same FSM strategy
should be used with all 3 methods, viz., using EL = 0.3 K with one or no verification.
Since a complete analysis of FSA and FSM of the above methods has not been made, nor
has it been available in the literature, the experimental results given herein can provide
some idea as to what might be expected of frame syncs. In a limited sense, however,
Ref. 2 does give some analytical values which do agree with the experimental data
obtained in this investigation. Emphasis should be placed on total performance, and on
the way in which the system is to operate. In this sense, it can be stated that the FT
method’s performance is as given in Table 5.
Generally, best performance is obtained when K is large ( > 27 bits), since this obviates
the need for verification. Thus, without verification, frame sync is acquired on the first
hit, and returned to search on the first miss. For BER < 5%, FSA # 1, and FSM = 100%.
Experimental Tests Performance characteristics of the methods described above have
been obtained by subjecting both hardware and software frame synchronizers to the
various data conditions and FSC that might be expected in operational applications.
Simulated random data was formatted in various frame lengths up to 4096 bits, including
some fixed words for reference checks. BER was controlled by adding white Gaussian
noise to the data which was put through a calibrated bit synchronizer. Alternating data
formats (one of which was proper) were continuously applied to the bit synchronizer in
order to maintain bit sync all the time. By alternating these formats, acquisition events
were created and counted. False acquisitions were automatically detected and counted
versus the total number of events. Thus, probability of false sync acquisition, PFS, was
computed from false sync, FS, and acquisition events NA so that
.
The average acquisition time, FSA, was determined by simply counting the number of
data frames that were searched until proper frame sync was established. Again, by
applying alternate data formats it was possible to create acquisition events so that

, where F = number of frames searched per acquisition event, and N = the
number of events (samples) subjected to the test.
Selection of Method Having at least four possible methods to select from, it is
naturally desirable to employ the most suitable approach (including strategy and FSC)
for a given application. To do this, it has been found very helpful to know the
characteristics of the data and expected performance of the communication link,
especially the bit synchronizer. In addition, the data recovery requirement should be
carefully considered in light of the expected bit slippage rate and amount of available
data. For instance, if the expected bit slippage rate (BSR) is low, say less than 1%, and
the telemetered data is voluminous, say upwards of 10 Kbps, it might be acceptable to
lose 3%-4% of data as a result of somewhat longer FSA.
Of the four methods described herein, the ML is, almost by definition, the best yet the
least used, if at all. The FT method has been found to approach the ML when K >27, and
BER < 5%. It has been used very extensively at GSFC for the last 3-4 years with great
success. Its simple and inexpensive hardware implementation lends itself to operating at
very high data rates ( > 25 Mbps), limited only by the speed of available logic circuits.
Conclusion Frame synchronization can be achieved almost optimally by means of the
fixed threshold, unique and simple strategy method in most telemetry applications.
Frame sync acquisition can be minimized to less than one, on the average, by using
longer frame sync codes in the range of 27 to 32 bits. The frame sync code pattern does
not appreciably affect the performance as long as it is pseudo-random.
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INVESTIGATION OF A PAM TESTER USING PN WAVEFORMS
WADE C. McCLELLAN
White Sands Missile Range, New Mexico
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Summary A PAM tester using a shift register generated sequence and a conventional
data (PCM) bit synchronizer and detector for synchronization was investigated. It was
found to function satisfactorily with and without predetection tape recording. This tester
can be implemented by adding digital-to-analog converters (DAC’s), an error gate, and a
rms voltmeter to a PN PCM tester which uses a shift register to generate the PN
sequence.
Introduction IRIG has standardized PCM end-to-end telemetry ground test procedures.
The PCM test is based on a shift register generated PN sequence test pattern. The
sequence generators and synchronizer used for the PCM test can be used for the PAM
test by adding DAC’s and an analog error measuring circuit.
The purpose of this paper is to provide system description, test results, and applications
of the PN PAM tester.
Description of Test Equipment Figure 1 includes a simplified block diagram of a four
stage shift register and a DAC connected to produce a PN PAM waveform as shown. The
PN PAM waveform is inverted and balanced to zero. The PAM waveform is a 15 ary
waveform with essentially the same autocorrelation properties as a binary PN reform and
can be synchronized by either coherent or noncoherent methods .1 The noncoherent
method was used for these tests. The test data shows that noncoherent synchronization is
satisfactory. This method of synchronization requires a replica of the binary PN sequence
generated by the source pattern generator to be loaded in the receiver pattern generator.
From Figure 1, it can be seen that the binary PN sequence can be obtained at the receiver
by detecting the PAM data samples which include the most significant bit from the PN
PCM generator. The output of the detector will be the binary PN sequence represented
by the left-hand column of the word sequence shown in Figure 1.
Figure 2 is a system block diagram. The Schmitt trigger is set at zero threshold so that in
the absence of noise, its output is the desired binary PN sequence except for the bit

corresponding to the zero level PAM pulse. This bit is indeterminate and in the presence
of balanced noise will be equally likely positive or negative. Thus, on the average, there
is at least one error in thirty bits (two pattern sequences). The output of the Schmitt
trigger is input to the bit synchronization and detector which outputs the binary PN
sequence and a synchronized clock. The output of the bit synchronizer and detector is
used to load and clock the receiver shift register. Note that only four correct bits of the
binary PN sequence are required to load the receiver shift register. In the tests reported
here, a load switch was activated manually while observing the rms meter or the
oscilloscope for indication of synchronization of the received and local PN PAM signals.
Loading can be automated by using the rms error as a criterion; the error is large when
the receiver shift register is incorrectly loaded. The function of operational amplifier 2 is
to subtract the locally generated PAM waveform from the received PAM waveform. The
output of this amplifier is noise plus gliches. The gliches occur at the leading and trailing
edges of each received PAM pulse, the gliches are due to misalignment, different rise
and fall time, etc., of the input wavefoms. The function of the linear gate in the error
detector is to sample the noise between the gliches. The sample period was 40 percent of
the PAM pulse period. The requirements for this gate are
a.
b.
c.

zero output when the gate is off,
zero output when the gate is on with zero input, and
reasonable linearity over the input voltage range.

The 6 diode balanced circuit2 utilized satisfied these requirements.
Procedure In order to obtain a valid measurement of error due to distortion and noise,
assuming synchronization lock, it is necessary to adjust the video gain of the receiver to
match the reference waveform and to adjust the dc level of the two waveforms to a
common level, nominally zero. These two adjustments are very easy to make by
obtaining a minimum rms error reading on the error meter with a large input signal to the
receiver.
The output from the DAC was balanced to ground by means of an operational amplifier
(4 in Figure 2). When the video output of the receiver is in the ac mode, the receiver
output signal is balanced about zero. In this case, the bias control on operational
amplifier 2 in Figure 2 serves for the dc level adjustment. If the video output of the
receiver is in the dc mode, then receiver tuning in the VFO mode can be used for dc level
adjustment. If the video output is in the dc mode with AFC, then the bias control on
operational amplifier 2 serves for dc adjustment. Whichever method is used, the
adjustments can be made quickly and accurately.
Test Results Figures 3 and 4 give output (S/N) versus input carrier power in dBm for
500 kHz and 100 kHz linear IF filters in the ScientificAtlanta model 410A receiver. The

video filter bandwidth was 50 kHz and the sample pulse rate was 25 x 103 per second in
both cases and the carrier deviation was 240 kHz peak-to-peak with the 500 kHz IF for
Figure 3 and 70 kHz peak-to-peak with the 100 kHz IF for Figure 4. The rms value of the
output of the error gate as read on the rms meter with the output of the radio receiver
removed was one volt rms. The ordinates of Figures 3 and 4 were obtained by dividing
the rms error read from the rms meter into unity, i.e., by taking the reciprocal of the
meter reading. Twenty times the log to the base ten of the reciprocal of the meter reading
gives the S/N in dB for Figures 3 and 4.
The data points represented by dots are with no tape recorder and the data points
represented by X’s are for predetection recorded data on a Sangamo 3500 tape recorder.
The data was recorded on Ampex 772-29Kll tape at a tape speed of 120 ips with the
recorder in the servo control mode.
Figure 5 contains photographs of waveforms corresponding to data points in Figure 3
and Figure 6 contains photographs of waveforms corresponding to the X data points in
Figure 4.
The bit synchronizer bandwidth settings for Figures 3 and 4 were 0.3 percent bandwidth
and 1 percent tracking. The carrier power at which slippage occurred was nearly
proportional to bit synchronizer bandwidth. For example, in Figure 3, slippage occurred
at minus 106 dBm for 0.3 percent bandwidth and 1 percent tracking. Slippage occurred
at minus 95 dBm for 3 percent bandwidth and 10 percent tracking. All data were taken
with the bit detector in the filter and sample mode.
Data were obtained with a Microdyne model 1100-R(7) receiver and a DEI model TR
711 receiver with 500 kHz IF’s. The data agreed within one dB or better to the data with
the Scientific-Atlanta data using the same parameters. This shows that the PAM tester
performs equally well with different receivers.
Discussion of Results Figures 3 and 4 show that synchronization can be maintained
ratios well below carrier threshold, to levels so low that the output (S/N) in Figures 3 and
4 are nearly zero dB. These data are S/N for unprocessed baseband signals. In PAM
practice, further processing of the baseband signals occurs. In order to interpret the
unprocessed baseband S/N to obtain individual data channel output S/N, the
improvement obtained by baseband processing must be added. In PAM practice, pulse
integration is frequently used. It is shown in the Appendix that pulse integration gives
about 10 dB improvement over the S/N ratios given in Figures 3 and 4. If, in addition,
the individual data output channels are filtered by averaging over 5 samples, then an
additional improvement of approximately 7 dB is obtained. Thus, the individual data
channel output S/N relative to the S/N plotted in Figures 3 and 4 is obtained by adding
the processing gain, 17 dB in the example, to the ordinates of Figures 3 and 4. This

assumes that synchronization is maintained over the input carrier power range involved.
Thus, slippage of the PAM tester synchronization occurs at corresponding output data
S/N of less than 20 dB, i.e., more than 10 percent rms error for the example considered.
This is believed to be more than adequate for PAM data.
The ratio of the IF bandwidths for Figures 3 and 4 is about 7 dB. Thus, the carrier
powers corresponding to thresholds and slippage should be different by about 7 dB
which is the case.
In the course of the measurements, it was observed that the receiver AFC became
unstable at input signal strengths less than -98 dBm for both the 500 and 100 kHz IF
bandwidths so that the PAM tester synchronization was lost at this power with the
receiver in the AFC mode. Data for Figures 3 and 4 were obtained with the receiver in
the VFO mode with manual tuning. In Figure 3, data for predetection recording for input
power below -98 dBm were not obtained through an oversight. It is assumed that as in
data with the 100 kHz IF bandwidth (Figure 4) synchronization would have been
maintained down to -104 or -105 dBm.
In order to increase the confidence in the test data, the output S/N with the 500 kHz IF
bandwidth is calculated in the Appendix. The calculated S/N is in good agreement with
the data in Figure 3 for above threshold signal conditions. The corresponding calculation
for the 100 kHz IF must take into account the IF gain characteristic and for this reason it
was not done. Qualitatively, Figure 4 data are consistent with the data in Figure 3.
As can be seen from Figures 5 and 6, a noise floor existed in the system. It appeared to
be of low frequency and, since it appeared to be about the same for several different
makes of receivers, it was probably spurious frequency modulation in the HewlettPackard model 3205A Telemetry Signal Generator.
Application Since the synchronization is carried out by detecting the PAM data
samples which include the most significant bit from the PN PCM generator, the test
waveform from the DAC can be altered in any systematic way provided the most
significant bit from the PN PCM generator is not changed. Thus, for example, it is
possible to include a PAM frame synchronization pulse. This pulse can be inserted at any
multiple of the frame period of the PAM tester by means of a counter and gating. If it is
desired to simulate a PAM frame of 64 channels, then the frame synchronization pulse
can be inserted every fourth sequence of the PAM tester pattern generator. With the four
position pattern generator, this would provide a 60 channel frame. Or, a 6 position shift
register could be used to generate a PAM test sequence of 63 channels. Only the 4
position shift register was investigated, but since it performed so well, it is assumed that
a 6 position register would also perform satisfactorily.

An example of insertion of a frame synchronization pulse shape is shown in Figure 7.
This is the same type of frame synchronization pulse used for the Navy PAM and is the
synchronization pulse for 100 percent duty cycle PAM as defined in Telemetry
Standards, IRIG 106-69.
The five PCM words corresponding to this waveform (inverted in sign) are 1111, 0001,
0001, 0001, and 1000. Reference to Figure I shows that this frame pulse can be obtained
by substituting the two words 0001 and 0001 for the words 0111 and 0011 following the
1111 word. This can be done by simple logic.
The PAM tester can be used in different modes. If the mission is to provide a tape, the
test pattern can be injected into a directional coupler and recorded. Then the tape is
rewound and played back. The rms error versus input signal strength is measured and
recorded. The frame synchronization word can be inserted into the test pattern and a
section of the mission tape used to record the test pattern so that after tape dubbing, etc.,
the pattern can be used to check out the tape data quality together with the PAM data
reduction equipment. The latter test can be carried out by the block diagram of Figure 2
plus coincidence (modulo two adders) detection for sample pulse clock and frame pulse
synchronization. Or, the complete ground station can be tested by comparing the output
of the individual data channels with the respective PAM samples generated by the local
pattern generator.
It should be mentioned that in PCM decommutators, the frame synchronization word is
detected digitally. Thus, frame synchronization acquisition can be tested, along with
other sections of the decommutator, by use of a digital PCM simulator without the
necessity of exercising the analog section of the system. In PAM, the frame
synchronization may utilize an analog device and should be tested in connection with the
analog test sequence.
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APPENDIX
THEORETICAL CALCULATIONS
Pulse Integration In order to decrease the noise on the detected PAM samples, the
pulse and noise are integrated over a window, cut out of the pulse, of )t seconds in
length. The window is suitable in length and spacing to reduce pulse overlap effects to
the desired level. The output of the integrator is sampled at the end of each integrating
period and fed to the decommutator (or computer).
The sampled integrator output can be modeled by a sampled aperture filter. The gain
characteristic, A(f), of the aperture filter is given by
(1)
The ratio of the noise power, No, in the output of the aperture filter to the noise power,
Ni, in the input is given by
(2)
where GM is the gain characteristics of the video filter, and Sbb(f) is the baseband noise
power spectrum. When well above threshold I the Sbb in the output of an FM receiver is
given by kf where k is a constant.
Figure 8 gives the video gain characteristic, G(f), for the data in Figures 3 and 4 of the
text. The numerical value of the integral in the degiminator of Equation (2), determined
by graphical integration, is 1.2 x 1014k (volts)2. The integral in the numerator of Equation
(2) is approximated by assuming G(f) = 1 from f = 0 to f = Fm the bandwidth of the video
filter (50 kHz), and integrating over this range. For the test data in Figures 3 and 4 of the
text, the sample period ()t = 16 microseconds) was 40 percent of the PAM pulse period
(40 microseconds). Substituting these parameters into Equation (2) gives
(3)

Thus, the processing improvement is about 10 dB. In typical application the sample
period for PAM data is 50 percent of the PAM pulse period. A 50 percent sample period
would give approximately 2 dB more improvement over the 40 percent sample period
used in the tests.
If an individual channel output low-pass filter which averages N-samples (where N is the

sample rate per data cycle) were used, then there is an additional improvement of 10 log
N dB. If N = 5, then the overall processing improvement would be (10 + 10 log 5) dB or
about 17 dB.
Calculation of Signal To Noise (S/N) Theoretical S/N corresponding to the ordinate
in Figure 3 of the text is calculated below. When well above threshold, the noise power
in the output of an FM receiver is given by
(4)

where B = IF noise bandwidth, G(f) = relative gain characteristic of the video filter, and
H = output voltage for peak deviation, fd. From Figure 1 of the test, it is easy to show
that for the PAM test sequence used, the mean square value, So , of the receiver output is
H2/2.65. Thus,
(5)

For Figure 3 of the text, fd = 120 kHz and the noise bandwidth of the receiver linear
phase IF is 460 kHz. The relative gain characteristic of the video filter for data presented
in Figure 3 is given in Figure 8. Numerical evaluation of the integral in Equation (4)
gives a value of 1.2 x 1014 (Hz)3 . Substituting these values in Equation (5) gives
(6)
or in dB
(7)
Assume that the noise figure of the receiver is 11 dB, then
(8)
where SdBm is the input RF power corresponding to the abscissa of Figure 3 in the text.
For SdBm = -90 dBm, Equations (7) and (8) yield (So/No) = 29 dB. From Figure 3, the
(So/No) is 28 dB, for input signal power of -90 dBm, which is in good agreement with the
calculated (So/No).
For Figure 4 in the text, calculations cannot be made as simply since the IF bandwidth is
only twice the video bandwidth and the IF is maximally linear phase. The gain
characteristic of a maximally linear phase IF is not flat and would have to be taken into
account.
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Summary Government and industrial telemetry users have the frequent requirement to
procure telemetry receivers which will faithfully receive and demodulate physical and
electrical phenomena occuring at the transmitting source. Such receiver output data
accuracy requirements must be translated into meaningful receiver procurement
specifications. Movement of the transmitting source, dynamic changes in the RF path
through which the telemetry signal is transmitted, and the distorting effects of electrical
circuitry in the receiver itself, all contribute to distortion of the baseband data. The
parameters affecting baseband data quality must, therefore, be quantized in terms of
telemetry receiver performance specifications. Where possible, the specifications should
relate to input/ output parameters of the receiver; this may not be possible in all cases,
however.
The methodology for translation of telemetry signal data quality requirements into
electrical specifications for a telemetry receiver is treated in this paper. Specification of
RF and IF channel characteristics are covered, and AGC, AFC, and AM rejection
circuitry requirements are analyzed in terms of received-signal amplitude and frequency
dynamics. Overall distortion in the telemetry receiver is characterized for FDM signals
by specifications whose reference is the noise-loading technique; for TDM signals
distortion is characterized in terms of receiver transient response. FM demodulator
specifications are treated, and specifications for allowable baseband distortion due to cochannel RF interference are introduced. Finally, the electrical performance requirements
of the baseband channel are characterized.
1. Introduction The specifier of a telemetry receiver is often in a unique position in
the context of specification of communication systems. He must specify his receiving
station equipment independently of the transmitting equipment, having a knowledge of
the transmitting signal parameters but no control over them. He also frequently has to
deal with a wide range of carrier frequencies, information bandwidths, RF bandwidths,
modulation types, and signal formats -- all of which must be accommodated in a single
receiver. The telemetry receiver consequently has traditionally been specified on a “best-

obtainable” basis rather than on the basis of overall system input/output parameters
(including transmitting and receiving equipment). The requirement for specifying the
ground station receiver based only on sufficient knowledge of the transmitted Signal
parameters (and the intervening dynamics imposed on the signal) need not pose an
insurmountable problem for the specifier. It does, however, impose the necessity for an
adequate knowledge of the signal arriving at the receiving station antenna. It is the
purpose of this paper to show how such knowledge, plus a knowledge of the effects of
the receiver circuitry, may be translated into a delineation of meaningful telemetry
receiver specifications.
A telemetry ground station utilizing the receiver only for a qualitative examination of
data in a favorable received-signal environment will impose fewer and less severe
requirements on the receiver than a ground station in which the output data distortion is
required to be low in the presence of high noise or other external disturbances. The
extent of specification of a special-purpose receiver intended for a specific signal whose
received-power and carrier frequency are unchanging may similarly be quite different
than that for a general purpose receiver designed to handle many different kinds of
signals in a variety of signal dynamics environments. The receiver specifier must
therefore be cognizant of the magnitude of costs which can be incurred by specifying
equipment parameters that are unnecessarily stringent, or which indeed may be unneeded
for the use intended for the receiver.
It is important to recognize that any performance specification is only as valid as the test
which proves it. In many cases, the tests which prove a specification are well defined,
having been established through common usage over a period of years. In some cases,
however, there may be more than one way to test to a particular specification, thus
resulting in different performance measurements depending on the test performed. In
these latter cases, a test specification should be included in addition to the performance
specification, so that a clear mutual understanding exists between the equipment
specifier and supplier as to specifically what is desired in the deliverable receiver. The
addition of test specifications, in many cases, prevents misunderstanding at a later date
concerning whether or not the specification has been met.
2. Requirements of the RF Channel Selection of the number of frequency
conversions and IF design center frequencies in the telemetry receiver should normally
be the choice of the receiver designer. Because of required compatibility with other
equipments which are to be connected to the receiver, however, the procuring agency
frequently must specify the IF center frequencies. The frequency relationships between
RF, IF, and baseband stages in a typical double conversion telemetry receiver are shown
in Fig. 1. Since the majority of telemetry receivers to be used in presently allocated
telemetry bands will involve only two frequency conversion processes, discussion in
following sections will be limited to double conversion receivers. Also, although phase

and amplitude modulation telemetry systems are in use, due to space limitations only FM
will be considered.

Fig. 1 - Simplified Block Diagram,
Double Conversion Telemetry Receiver
2.1 Interference Generation and Susceptibility It is important to place limits on the
maximum levels of interference generated by the telemetry receiver, and on its
susceptibility to externally generated interference, so that the receiver will perform
compatibly with other RF devices in close proximity. RF interference requirements are
covered generally in a number of Government interference control and electromagnetic
compatibility specifications and standards. These specifications place limits of
acceptability on signal- and power-line-conducted, antenna-conducted, and radiated
interference originating in the receiver, as well as susceptibility of the receiver to
radiated, power-line-conducted, and signal-line-conducted interference. Cross
modulation, receiver intermodulation, and receiver front-end (input) rejection are also
specified as a part of the Government documents. Tests for each of the interference
parameters specified are included.
Unless the specifier has some unusual requirement which requires detailed delineation, it
is usually sufficient for purposes of establishing limits on RF interference to reference
the appropriate interference control document as an integral part of the telemetry receiver
specification. The specifier may elect to exclude certain requirements of the applicab e
RF interference specification if the particular requirement is not necessary for his
specific application and its inclusion would add a significant cost to the procurement.
One case in which information should be specified in addition to that contained in the
applicable Government interference control specification is the preselector bandwidth,
since this parameter determines the band of RF frequencies outside of which the spurious
rejection specification is applicable.
2.2 Preselection It is important that the preselector in the receiver be specified to be as
narrowband as possible (consistent with the first IF amplifier bandwidth and the

requirement for preselector tuning) in order to preclude interference from high power
signals which may be present near the desired-signal carrier frequency. It is also
important to require that the preselector filter be implemented ahead of the first RF
amplifier. This requirement precludes large-amplitude signals just outside the preselector
passband from “swamping” the RF amplifier.
2.2.1 Image Rejection One of the most important functions of the preselector is to
suppress the image frequency so that it will not interfere with the desired-signal at the
first intermediate frequency. The amount of attenuation to the image signal, when
referenced to the frequency to which the receiver is tuned, is called the image rejection
of the receiver. Image rejection is calculated as a ratio, expressed in dB, of the largest
expected image signal received power to the smallest simultaneously expected power of
the desired-signal, with a signal-to-noise margin for distortion-free demodulation of the
desired-signal. The image rejection typically required for telemetry receivers is on the
order of 60 to 70 dB.
2.2.2 IF Rejection Another of the functions of the preselector is to reject signals at the
first intermediate frequency which may be present at the receiver input. This requirement
is defined as the IF rejection of the receiver. Due to the fact that the first IF center
frequency is typically well removed from the desired-signal frequency, any signal
appearing at the IF frequency is considerably attenuated by the preselector lowpass skirt.
The receiver IF rejection requirement is determined in a manner similar to that for image
rejection and is required typically to be 80 dB.
2.2.3 Spurious Rejection Also important in the design of the preselector is its abili
spurious signals outside the preselector passband. This capability is defined as spurious
rejection, and is determined in a manner similar to that for image and IF rejection.
2.3 Receiver Sensitivity The ability of a receiver to receive and effectively
demodulate very low power input signals is known as the receiver sensitivity. Receiver
sensitivity in a high-quality telemetry receiver is a function principally of the noise
generated in the receiver front-end. Most of this noise comes from the input stage to the
receiver, usually an RF amplifier. It is reasonable, therefore, to specify the sensitivity of
a telemetry receiver in terms of its noise figure. Where an RF preamplifier is to be used
ahead of the receiver, it is often desirable to allow a slightly higher receiver noise figure
in return for improved receiver dynamic range and intermodulation distortion. Such a
compromise in the receiver makes little difference in the overall system noise figure, and
may markedly improve the telemetry receiving system performance.
2.4 Intermodulation In receivers used in multi-signal environments (such as those
peculiar to large aircraft and space vehicle test ranges), it is important that the

intermodulation products of any two signals which may be present at the input to the
receiver not cause interference to desiredsignals. Predetection intermodulation distortion
in telemetry receivers is chiefly a function of non-linearity of the RF amplifier. The
receiver, then, should be required to be sufficiently linear so that envelope demodulation
of any intermodulation product, due to the presence of any two sine wave signals whose
sum or difference frequency is within the passband of the receiver, not exceed a
specified level -- say a signal-to-noise-plus-noise ratio of 6 dB. Detection of the
intermodulation products should occur at the output of the receiver second IF amplifier
to assure linearity of IF amplifier stages in the receiver, as well as the linearity of the RF
amplifier. The power level of the two test signals should be the maximum for which
linear operation of the receiver is desired: in other words, the upper limit of the dynamic
range of the receiver. The test signals should be amplitude modulated a specified amount
with two different tones, each tone at some frequency within the response of the receiver
baseband channel. The recommended standard modulation index is 30 percent for each
signal, and the recommended modulation tones are 400 Hz and 1 kHz. Neither of the two
test signals, when applied alone, should produce a detectable output in excess of a
signal-plus-noise-to-noise ratio of 3 dB less than the allowable power level when the
signal when the signals are applied together. The specification should be applicable to all
IF bandwidths for which the receiver is designed.
2.5 First Local Oscillator The first local oscillator in a telemetry receiver is used for
frequency selection of the RF link. Two types of oscillator circuits may be used as first
local oscillators: crystal-controlled and variable frequency. It may be desired to employ
both and provide switch selection of the oscillator to be used for any given test. The
choice is a matter of operational convenience. In both cases, it is necessary to specify the
frequency tolerance and stability.
3. Requirements of the IF Channel.
3.1 First Intermediate Frequency Amplifier One of the most important
specification requirements of the first IF amplifier is its bandwidth. It is unlikely that the
phase characteristics of the first IF amplifier will pose a problem due to the relatively
wide bandwidth of the amplifier and therefore phase linearity need not be specified; if an
overall receiver distortion requirement is included in the specification (see Section 6. 1),
this factor is specified implicitly anyway. The stability of the characteristics of the first
IF amplifier is of little concern either, again due to the relative wide bandwidth of the
stage.
The bandwidth of the first IF amplifier should be at least equal to twice the sum of the
following components: the one-way tuning range of the second local oscillator, AFC
hold-in range, transmitter frequency stability, receiver frequency stability, allowance for

front-end and other frequency tracking errors, and maximum RF signal half-bandwidth.
The specification of an allowable variation in amplitude response over this bandwidth
may be judicious to assure overall quality in the receiver. The skirts of the first IF
amplifier filter should roll off steeply outside the IF passband to preclude amplification
of undesired signals which might be passed by the RF amplifier and first mixer.
3.2 Second Local Oscillator One function of the second local oscillator in the
telemetry receiver is to provide the capability of vernier tuning. For this purpose a
continuously tunable variable frequency oscillator may be employed. This oscillator may
be electronically tuned if it is to be controlled by the AFC circuit. A crystal-controlled
second local oscillator may also be used, with provision for switch selection between the
two oscillators. The two most important parameters in the specification of the second
local oscillator are its tuning range (in the case only of the VFO) and stability.
3.3 Second IF Amplifier The second IF amplifier is possibly the most critical stage in
the telemetry receiver, since it must perform the functions of (1) reduction in additive
noise power at the input to the limiter/demodulator, (2) rejection of interfering adjacentchannel and mixer product signals which have not been filtered by previous stages, and
as a compromise to the first two, (3) passing the desired predetection signal with as little
distortion as possible. The requirement for IF bandwidth interchangeability imposes
additional design complexity to the receiver.
At least three parameters are important in specifying the requirements of second IF
amplifiers: bandwidth, shape factor, and phase characteristics. It is important that the
measured parameters in each of these areas remain stable over the expected ambient
temperature range of the receiver, and also the receiver dynamic range if AGC control is
applied to the second IF amplifier. It is also important that those second IF amplifier
parameters specified be self-consistent, i.e., that meeting the performance criterion of
one specified parameter does not prevent the satisfaction of another.
3.3.1 Bandwidth There are two bandwidths of significance relative to the second IF
amplifier: the half-power or 3 dB bandwidth and the noise bandwidth. Noise bandwidth
may be defined as the equivalent bandwidth of the actual noise power at the output of the
second IF amplifier normalized to a rectangular power density spectrum. Noise
bandwidth is the value used in circuit margin calculations, and should be specified in
addition to half-power bandwidth for TDM/FM signals because of the design
compromise between intersymbol interference (see Section 3. 3. 3) and the reduction of
FM noise. Half-power bandwidth should be specified for both FDM/ FM and TDM/FM
telemetry signals. For FDM/FM signals, it is selected on the basis of the predetection

bandwidth of the received signal.*, It should be specified to be approximately equal to
the signal bandwidth for maximum noise reduction at the input to the limiter without
significant distortion of the RF signal. Guidelines for selection of half-power bandwidths
for PCM and other TDM baseband signals are given in IRIG (RCC) Document 106-7 1.
The converted predetection signal may not,be centered accurately within the passband of
the second IF amplifier due to inaccuracies in transmitter frequency or receiver tuning. A
safety margin should therefore be added. The half-power IF bandwidth operationally
used should be the next highest value selected from the standard IF bandwidths listed in
Table 6 of IRIG (RCC) Document 106-71.
3.3.2 Shape Factor The amount of required rejection of adjacent channel interference
by the second IF amplifier determines the skirt selectivity of the IF filter. A shape factor
(bandwidth ratio of -60 dB to -6 dB response) should be specified which corresponds to
the required skirt selectivity.
3.3.3 Phase Characteristics Passband phase linearity, or its derivative group delay
constancy, of the second IF amplifier is more important for preserving the essential data
parameters of an FDM/FM telemetry signal than the amplifier’s passband amplitude
characteristics. (Stated another way, there is no evidence to indicate that the amplitude
characteristics of the second IF amplifier by themselves, including a very large amount
of passband ripple, contribute to the demodulated baseband distortion of an FM signal.1
There are essentially two ways by which the phase characteristics of the second IF
amplifier may be specified for FDM/FM signals; one deals with the direct specification
of the group delay characteristics -- the cause of baseband intermodulation distortion,
and the other is specification in terms of the result of the phase non-linearity: the
allowable data distortion itself. The second of these methods would appear to be
preferable to the first for the purposes of receiver performance specifications (1) because
it is a direct delineation of data quality, and (2) because this parameter is needed first in
order to arrive at the equivalent allowable second IF amplifier group delay.
Intermodulation-to-signal (I/S) ratio is a widely accepted criterion of FDM/FM baseband
data distortion due to the effects of predetection phase non-linearities, it being essentially
a measure of baseband intermodulation distortion. I/S ratio is virtually inversely
analogous to signal-to-noise ratio for FDM basebands, which makes its specification
relatable approximately to subcarrier signal input quality. The relationship of baseband
I/S ratio to the group delay characteristics of the second IF amplifier is rigorously
*

The bandwidth of a frequency modulated telemetry signal may be defined in a number of
different ways. Discussion of this definition is beyond the scope of this paper; however, one
acceptable definition for FDM signals is that bandwidth within which are contained all sideband
components individually exceeding one percent of the total signal power.

analyzed in Reference 1, and is summarized in Reference 2. The methodology of
specifying second IF amplifier distortion in terms of allowable I/S ratio, or alternately, in
terms of group delay characteristics, is covered in Sections 11.5 and 11.6 of Reference 1,
respectively, and in Section 12 of Reference 2. For reasons of space limitation, this
methodology is not repeated here.
Intersymbol interference (spillover of a TDM pulse into the next time slot due to pulse
stretching) is the primary mechanism by which predetection filters degrade TDM
telemetry data.1,2 The group delay characteristic of a predetection filter has no direct
bearing on intersymbol interference, so specification of the phase characteristics of the
second IF amplifier are of little importance for TDM signals. Of direct significance in the
determination of the amount of TDM intersymbol interference is the impulse response of
the IF amplifier/filter. In the absence of complete knowledge as to the bit decision
process employed in the primary bit synchronizer or pulse detector, or to accomodate a
variety of TDM formats, the duration of the impulse response can be used as a
performance measure for TDM signals. The maximum allowable pulse-stretching is
computed from the bit rate, duty cycle, and peak frequency deviation, and is used to
determine the allowable impulse-response duration by the method specified in Section
11.5 of Reference 1. For mid- and high-range values of IF-to-video bandwidth ratio, the
second IF amplifier filter introduces very little additional pulse stretching over that of the
video filter. For low IF-to-video bandwidth ratios, however, the second IF amplifier
contributes pulse distortion comparable to the video filter.
3.4 Amplitude Limiter The function of the amplitude limiter is to remove any
remaining amplitude fluctuations which may not have been removed by the AGC circuit.
In order to accomplish this effectively, the limiter must limit on noise. Moreover, it must
be capable of a reduction in input-to-output amplitude modulation factor of 1000 to 1 or
more. An amplitude limiter may therefore be typically required to reduce the amplitude
fluctuations on an input signal 95 percent AM modulated to a value of AM less than 0. 5
percent on the limiter output signal. This AM reduction must be effective at all,input
frequencies to which the limiter will be subjected in order that high frequency amplitude
perturbations present on the incoming telemetry signal are not converted to baseband
signals. This latter requirement is important in terms of reduction of the effects of cochannel interference.3 The specified input frequency range should be from DC to a
modulating frequency at least equal in value to one-half the maximum IF bandwidth to
be used -- higher under conditions of co-channel RF interference. The specification
should be applicable under dynamic test conditions for all signal levels above a given
signal-to-noise ratio in the second IF amplifier -- say 6 dB -- to at least the maximum
expected operating input level of the limiter.
3.5 FM Demodulator Three essential parameters define the FM carrier demodulator
requirements: deviation range, linearity, and center frequency stability. A prior

knowledge of expected telemetry signal parameters provides the range of peak-to-peak
frequency deviations over which the demodulator will be expected to function.
Distortion in the baseband output is a function of the linearity of the demodulator, which
can be expressed either as a power series polynomial or a trigonometric series. In either
case, the relation of demodulator linearity to baseband signal distortion is identical to the
familiar exercise of computation of distortion in a linear amplifier. The specification of
center frequency stability is one requiring the determination of allowable center
frequency drift (particularly with DC coupling) as a function of time and temperature.
4. Requirements Imposed by Dynamics of Received-Signal.
4.1 Long-Term Amplitude Dynamics RF input power to the receiver must be
considered in the specification of signal dynamic range which the receiver is expected to
accomodate. Dynamic range is a function of several parameters, included in which are
the receiving system noise threshold, effective radiated power of the transmitting source,
signal propagation attenuation, receiving antenna gain (including polarization losses),
and the gain of any RF prearnplifier connected external to the receiver (including
prearnplifier input and output line losses). The variance in input RF signal power to the
receiver is compensated for by an AGC system in the receiver which automatically
adjusts the gain of RF and IF amplifier stages so that the output of the last IF amplifier
remains nearly constant over the entire range of signal amplitudes expected at the input
to the receiver. The AGC loop for a double conversion receiver is shown in Fig. 1.
Under the simplified example of a space vehicle transmitting source which passes
directly over the ground station in the manner shown in Fig. 2, it is possible for the
received-signal power Pr at the input to the receiver to vary through both maximum and
minimum values on a single vehicle pass. A complete cycle of Pr values from signal
minimum to maximum, then back to minimum, may occur in a matter of a few minutes,
as shown in Fig. 3.
The lower limit of the telemetry receiver dynamic range is determined by the noise
threshold of the receiving system. The upper limit is determined by a calculation of the
maximum signal power expected at the input to the receiver. It is important to specify
that no saturation of any of the cascaded RF and IF amplifier stages occur at the
maximum input signal power Pmax. The propagation path loss will be at its minimum
value, and Pr will thus be at its maximum value Pmax, when the distance between the
vehicle and ground station is minimum.
The constraint which dictates the required predetection recording signal level range at
the output of the second IF amplifier is the dynamic range of the magnetic tape
recorder/reproducer. Too high an input signal level coupled to the recorder causes
magnetic saturation of the tape, and thus distorts the recording. Too low an input signal

level does not yield adequate signal-to-noise ratio, considering the additive
recorder/reproducer noise. The specification of this range is the responsibility of the
recorder/ reproducer specifier; the interface is given to the receiver specifier as an output
requirement of the final stage of receiver IF amplification. The requirement for signal
level constancy at the output of the second IF amplifier is generally on the order of ±1.5
to ±3 dB. Such an AGC performance specification defines the required overall feedback
gain, but allows the receiver designer latitude in distributing this feedback to the various
RF and IF amplifiers.
4.2 Short-Term Amplitude Dynamic In addition to the slowly changing signal power
at the input to the receiver due to the position of the vehicle, there will also be shorterterm amplitude perturbations caused by fading, noise, multipath, rocket exhaust plasma
(during the engine burn period), and other propagation disturbances. These short-term
fluctuations appear as amplitude modulations on the frequency modulated signal, and
may produce undesirable noise in the demodulated baseband signal unless precautions
are taken to minimize their effect. In terms of requirements of the telemetry receiver,
minimization of baseband noise due to amplitude fluctuations in the received signal is
manifested in three specifications: AGC time-constant, amplitude limiter performance
(covered in Section 3. 4), and AM rejection.
4. 2.1 AGC Time-Constant The primary function of the automatic gain control loop
in a telemetry receiver is to adjust the gains of the various RF and IF amplifier stages so
that, except for fast transient rises and drops in signal amplitude, the signal remains
within the linear operating region of all amplifiers in the receiver. Ideally, the AGC loop
should eliminate all envelope amplitude perturbations present on the received-signal,
especially if predetection recording of the signal prior to limiting is to occur. The
reasoning behind this idealization is that all the necessary information to be retrieved by
the telemetry receiving system is contained in the frequency characteristics of the
transmitted signal. Any amplitude components only add noise to the desired receiver
output signal.
In the case of predetection recording of the signal prior to limiting, were a sudden drop
in signal amplitude to occur at the input to a receiver with a relatively long AGC timeconstant, the signal input to the predetection recorder could drop below the combined
receiver/playback/demodulator noise threshold. A loss of recorded data would thus occur
until the AGC loop responded to correct receiver RF and IF amplifier gains. If the AGC
time-constant were fast enough, there would be no recording dropout, and although the
data might be noisy, the degradation would only occur during the instants of phase
disturbances due to the noise.
Baghdady and Ely4 have reported amplitude modulation frequency components on FM
telemetry signals of up to 8 kHz due to transmission of the signal through rocket exhaust

Fig. 2 - Geometrical Relationships Between Vehicle in
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Fig. 3 - Received-Signal Power as a Function of Time

Fig. 4 - Doppler Frequency Offset and Rate-of-Change as Functions of Time

plasmas. It is likely that similar AM frequency components exist on signals subject to
multipath and other propagation anomalies, although no record exists of measurement of
the parameters surrounding these disturbances. It is clear, in general, that the higher
frequency AM components are of lesser amplitude than the lower frequency ones. For
example, on the solid fuel vehicles reported by Baghdady and Ely, 6 kHz AM
components on signals egressing from the vehicle exhaust plasma were down in
amplitude some 14 dB from those occuring at 5 Hz.
The AGC time-constant Tagc of a telemetry receiver is defined as the time required for the
receiver to respond to a step-change in the input signal. A zero to 90 percent signal level
change in the output from the second IF amplifier is often used as the criterion for the
measurement of Tagc. The maximum required value of Tagc is a direct function of the
highest expected AM frequency component expected on the input signal to the receiver,
and its relative amplitude.
4.2.2 AM Rejection Although most of the amplitude perturbations on the incoming
FM signal are removed by the AGC and limiter, some of the AM variations are
converted to frequency (or phase) disturbances before the amplitude components can be
removed. The result is that these AM-to-FM conversions are demodulated by the FM
demodulator and appear as AM disturbances in the baseband signal. Two circuits in
which such AM-to-FM conversion can occur are the second IF amplifier and the limiter.
An overall receiver AM rejection specification ensures that AM-to-FM conversion
occurring in the receiver is within tolerable limits. It also verifies the removal of AM
components by AGC circuitry and the limiter in terms of output data signal quality.
The requirement for AM rejection involves the comparison of receiver baseband output
levels when AM and FM signals are introduced separately at the input to the receiver.
The FM baseband signals are the reference. The ratio of the output level due to the AM
signal, to the output level due to the FM signal, is the AM rejection. A mid-range
baseband frequency (e.g., 1 kHz) is selected as a reference, and a representative
deviation is chosen in terms of a percentage (often plus or minus 20 percent of the IF
bandwidth in use (for purposes of normalization). An amplitude modulated signal is then
coupled to the receiver whose AM modulation factor represents the maximum amplitude
disturbances which can be expected on actual telernetered input signals. (In the absence
of exact knowledge concerning the amplitude of these disturbances, and to effect test
standardization, an AM modulation factor of 50 percent is typically used. ) The
modulating frequency of the AM generator is then varied, and the resulting baseband
output measured for each modulating frequency. The result is compared to the respective
FM baseband reference levels for the comparable modulation frequencies and is
expressed in dB as a function of modulating frequency.

The AM rejection specification is, in effect, an expression of the maximum noise level
which can be tolerated at a given baseband frequency due to AM disturbances on the
input signal, specified as a function of that baseband frequency. The allowable noise
level at a given video frequency is dependent on the requirements of the equipment into
which the receiver output signal will be coupled (such as subcarrier discriminators).
4.3 Frequency Dynamics Movement of the transmitting signal source causes a
doppler frequency offset on the received signal. In the lower frequency telemetry bands
wherein relatively wideband signals are employed, this offset is not a serious problem,
since the magnitude of the offset is a small percentage of the IF bandwidth. At higher
carrier frequencies and narrower IF bandwidths, however, doppler offsets, combined
with frequency offsets due to allowable transmitter frequency and receiver local
oscillator tolerances, can cause the received signal to be displaced in frequency outside
the passband of the receiver second IF amplifier stages. For this reason, AFC (automatic
frequency control) circuitry is mandatory in telemetry receivers where such an offset may
present a problem -- particularly at S-band.
An AFC loop for a double conversion telemetry receiver is shown in Fig. 5. AFC control
of the second local oscillator is shown in the figure, although control of the first local
oscillator could alternately be employed. One factor favoring AFC control of the first
local oscillator is that a narrower first IF amplifier bandwidth can be implemented in the
receiver, since the additional frequency range required to accommodate doppler and
transmitter frequency offsets would not need to be included within the bandwidth of the
first IF amplifier. Crystal control of link carrier frequency (the first local oscillator) is
often desirable, however, to eliminate the need for manual tuning of the receiver to the
transmitter frequency, and thus facilitate rapid acquisition of the received signal. Precise
pre-setting of link carrier frequencies is particularly important in order that a loss of data
not occur in a multiple-link receiving facility when transmissions from a space vehicle
are first received as the vehicle appears over the horizon. When crystal-controlled first
local oscillator tuning of the receiver is required, it is expedient to effect control of the
second local oscillator by the AFC. Using a VCXO as the first local oscillator, however,
crystal-controlled tuning of the receiver to the link frequency, as well as AFC control of
the first local oscillator, can be achieved.
4. 3.1 AFC Loop Gain The first consideration in specifying AFC requirements for a
telemetry receiver is the calculation of the largest expected frequency offset. This offset
is the sum total of frequency offsets due to (1) doppler shift, (2) allowable tolerance in
transmitter carrier frequency, and (3) allowable tolerance in receiver local oscillator
frequency. The doppler offset frequency assumes its largest (worst case) value )fmax
when the offsets of the individual components are additive. A graph of doppler
frequency shift for the space vehicle example as a function of time is shown in Fig. 4.

Fig. 5 - Typical AFC Loop for Double Conversion
Telemetry Receiver
Note that the maximum doppler offset occurs when the vehicle is on the horizon. The
allowable frequency offset )f' when AFC is applied is a function of the receiver second
IF amplifier bandwidth. In receivers with the capability for more than one IF bandwidth,
a recommended guideline is that the allowable )f' should not exceed a value equal to ten
percent of the narrowest IF bandwidth for the receiver. Thus, with the selection of )f
and )f' , the AFC loop gain is determined. This loop gain is written in the form of a
specification as a required reduction by the AFC circuit of an initial frequency offset
)fmax to a value not exceeding )f'. Such a frequency offset reduction is subject to the
bounds placed on )fmax by the bandwidth of the second IF amplifier. The ratio of )fmax to
)f', however, is specified to be constant for any IF bandwidth used in the receiver.
4.3.2 AFC Aquisition Performance In order for the AFC to perform the function of
centering the frequency offset signal accurately within the passband of the second IF
amplifier of the receiver, it is necessary first that the AFC loop capture or acquire the
signal. The frequency range over which a received RF signal may be initially captured
when the AFC circuit is switched on is known as the AFC acquisition range. The desired
receiver.AFC acquisition range is determined by the maximum frequency offset )fmax
expected of the signal appearing at the AFC discriminator. If the maximum expected
frequency offset is less than a value equal to plus or minus half the IF bandwidth, the
desired AFC acquisition range can easily be achieved. Since, however, the AFC
discriminator usually functionally follows the second IF amplifier in the receiver, the
desired acquisition range cannot always be obtained. When narrowband second IF
amplifiers are employed, the achievable AFC acquisition range is restricted to plus or
minus half the IF bandwidth, since any signal outside the IF passband is attenuated by
the IF filter. (Doppler shifts at S-band, for example, may be as great as ±75 kHz for some
space vehicle launches. If this doppler offset were encountered during a mission wherein
a telemetry receiver with an IF bandwidth of less than 150 kHz were used, the received
signal would be outside the passband of the IF filter, and AFC acquisition could not be
realized. ) If this case is of significance to the receiver specifier, a stipulation should be
incorporated in the specification requiring the receiver AFC to capture signals which

may be expected outside the passband of the narrowest IF amplifier bandwidth which
will be employed.
Due to unpreventable noise unbalances in practical IF amplifier and discriminator
circuits, there will be a residual bias at the output of the AFC discriminator in the
absence of an input signal to the receiver. This bias is independent of the second local
oscillator frequency, and if the AFC is on and the AFC loop sufficiently high, the result
is that the local oscillator controlled by the AFC discriminator is driven to one or the
other of its tuning range limits. The receiver is thus tuned by the AFC loop to a
frequency which may be tens of kilohertz away from the frequency to which the receiver
would be tuned with the AFC off. Were a signal to appear with the receiver tuned in this
manner by the AFC, it would never be acquired, since the signal would be well out of the
receiver IF passband.
Where a large number of telemetry receivers are employed in a ground station for
multiple link coverage, it is both inconvenient and impractical for the operator to switch
on the AFC circuit on each individual receiver after first appearance of the signal within
the IF passband. It is highly desirable to be able to leave the AFC circuits of all receivers
on prior to the reception of any signals, so that when the signals are first received, they
will be automatically centered within the IF passband by the AFC. In the event this
capability is required of the receiver, it should be explicitly stated in the specification.
Several techniques may be employed to meet this latter requirement, among which are
reduction in AFC loop gain until after the AFC loop has captured the received signal,
AFC search techniques, and multiple phaselocked loops. The latter two of these
techniques may also be useful as AFC acquisition aids in the case where the desired AFC
acquisition range is greater than half the IF bandwidth employed in the receiver.
4.3.3 AFC Hold-In Range Once the AFC loop has acquired the received signal, it
then must retain acquisition of the signal through any frequency dynamics which can
reasonably be expected. The frequency range over which the AFC circuit is required to
retain signal acquisition is known as the AFC hold-in range. This hold-in range can be
greater than the IF filter bandwidth, since after initial acquisition by the AFC circuit, the
signal is held automatically within the frequency confines of the second IF amplifier
passband by the AFC circuit. An AFC error voltage is always developed as long as the
receved signal is contained within the IF passband, so that the only constraint on the
AFC hold-in range is the tuning range of the AFC-controlled local oscillator. The AFC
hold-in range may thus be specified to be a value equal to the maximum expected
frequency offset ±Afmax’ This specification is independent of the second IF amplifier
bandwidth employed in the receiver. The receiver specifier may wish to add a safety
margin to the theoretically calculated AFC hold-in range to insure against unforeseen

contingencies which could arise during the mission, such as an unexpected shift in
transmitter frequency due to a transmitter malfunction.
4.3.4 AFC Response Time The rate-of-change of frequency of the received signal
due to doppler is an important factor in the design of the AFC loop. Significant
frequency offset errors may be introduced by an AFC loop with too long a time-constant,
thus resulting in signal distortion due to phase and amplitude non-linearities on the skirts
of the IF filter. If the error due to change in doppler frequency is sufficiently large and
the AFC time-constant long, the signal may even be displaced outside the passband of
the IF filter. On the other hand, if the AFC loop time-constant is too short, baseband
signal distortion may occur due to the AFC loop “following” frequency changes in the
received RF signal. An acceptable AFC loop time-constant is assured by two
specifications: one an allowable carrier frequency error for a given input signal rate of
frequency change, the other an allowable attenuation (with AFC on) to the lowest
baseband frequency of interest. (It should be noted that DC baseband response is not
possible with AFC on. )
It will be observed from Figs. 2 and 4 that the maximum rate-of-change of doppler
frequency occurs when the vehicle is directly over the ground station. The magnitude of
this frequency-rate-of-change is found by first differentiating the transmitting vehicle
velocity with respect to time. The maximum doppler frequency-rate-of-change is then
found by evaluating the differentiated vehicle velocity expression at the time the vehicle
is directly over the ground station and finding that doppler frequency-rate-of-change
(expressed in kHz/sec. ) corresponding to this time.
When the receiver input signal shifts frequency due to a change in doppler frequency,
errors stemming from two causes will be present on the signal appearing at the input to
the second IF amplifier: (1) a fixed-frequency error due to the magnitude of the signal
frequency offset, and (2) a transient frequency lag error due to the response of the AFC
loop filter to the loop input frequency change. The total frequency error at any instant is
the sum of these two error sources. The errors can be additive, thus resulting in the
displacement of the signal even further away from the center frequency of the second IF
amplifier than if there were no transient error present. The importance is thus seen of
keeping the frequency lag error small when the doppler frequency-rate-of-change is
maximum -- say a value equal to ten percent of ±)fmax --so that the total frequency error
due to input signal frequency dynamics will not be a significant fraction of the narrowest
IF bandwidth to be used in the receiver. The specification determining how fast the AFC
should respond should therefore be expressed in terms of the maximum allowable
frequency error due to the change in signal input carrier frequency (not including the
frequency error due to the magnitude of the input frequency offset) when the maximum
expected frequency-rate-of-change is encountered.

In order to assure the AFC loop response time is sufficiently slow so that low frequency
baseband signals will not be eliminated by the AFC loop, an allowable attenuation to a
baseband frequency well below the lowest information frequency of interest should be
specified. The required receiver output low frequency response is a function of the video
signal passband, and is dictated by the input requirements of the equipment to which the
receiver baseband signal is coupled (such as baseband signal recorder, etc. ). The test for
this specification involves deviating an FM signal generator a fixed amount at some midrange baseband frequency to establish a reference, then deviating the signal generator the
same amount at the low baseband frequency wherein the AFC circuit is required to
perform within the specified bounds. The ratio of the two output signal amplitudes,
excluding the filter effects of the demodulator and baseband channel, is the measured
attenuation of the signal due to the AFC loop.
4.3.5 Provision for Variable Duty Cycle Signal If the AFC is to be used with digital
type baseband modulations such as PCM, it is necessary that a peak-to-peak detector be
employed for the derivation of the AFC control signal. This circuit ensures that for all
signals keyed between two frequencies fa and fb, the carrier component
is
maintained accurately at the center frequency of the receiver second2 IF passband. In
specifying this provision, the duty cycle limits of the expected baseband signals should
also be delineated (e.g., 10 to 90 percent), as well as the range of expected bit-rates.
4.3.6 AFC Stability AFC stability should be such that the peak center frequency drift
when the AFC is on is less than a frequency corresponding to some fixed percentage -say ten percent -- of the narrowest second IF bandwidth to be used. This specification
should be applicable over the longest period over which the receiver will be operational,
and maintenance adjustments should be required at no more frequent intervals than the
expected period between routine calibrations.
5. Requirements of the Baseband Channel The baseband channel is comprised
essentially of the video amplifier/baseband filter which provides an interface from the
demodulator to the receiver video output load (see Fig. 1). Although the video amplifier
is potentially the least critical stage in the receiver, at least four parameters are important
to specify for assurance of adequate performance: frequency response, total distortion,
dynamic range, and output level and impedance.
The frequency response of the video amplifier relates to the range of baseband
frequencies which will be encountered. Adequate consideration should be given to
harmonics of pulse-type baseband signals when specifying the upper frequency limit. An
amplitude tolerance should be placed on the flatness of response over the passband, and
if DC coupling is required that fact should be explicitly stated. The total allowable
distortion of the amplifier should be specified in relation to the type baseband data

expected: for FDM data, intermodulation distortion is one acceptable criterion, for TDM
data, impulse response of the amplifier is meaningful, since it is a measurement
essentially of waveform integrity. The noise-loading technique is one method by which
intermodulation distortion may be specified and measured; this technique approximates
the signal-to-noise ratio as a function of baseband frequency, which is of value when
working with a multiplex of subcarriers.
Specification of the video amplifier dynamic range (defined as acceptable signal-to-noise
threshold level to the maximum amplitude signal within allowable distortion limits) is
important when co-channel RF interference is present, since the frequency transients
generally associated with such interference manifest themselves as amplitude transients
in the baseband channel. Considerable baseband distortion results when the operational
dynamic range of the video amplifier is exceeded.
Output level and impedance specifications should correspond to the requirements of
load(s) into which the video output signal is coupled.
The baseband, or video, filter is essentially a lowpass filter which cuts off just above the
highest video frequency of interest to minimize noise output. The amplitude and phase
characteristic requirements of this filter are dependent on the type of data being received.
The essential filter parameters requiring specification are amplitude response, cutoff
frequency, skirt selectivity, and allowable distortion, which may involve inter-related
specification compromise as in the second IF filters. TDM data requires greater phase
linearity for waveform preservation than does FDM. It has been shown that most of the
TDM data distortion occurring in a telemetry receiver stems from the post-detection
filter.1,2 The impulse-response duration technique outlined in References I and 2 is
recommended for both specification and measurement of TDM distortion (intersymbol
interference, or pulse-stretching) in post-detection filters for TDM data. The design
compromise in filters designed for TDM data is one of amplitude response rolloff rate.
Post-detection filters designed for FDM data are not as demanding in their design as
TDM filters because their passband phase characteristics are not as critical. The desired
amplitude response and rolloff rate can usually be achieved without sacrifice in FDM
data quality. Attenuation to noise frequencies above the baseband of interest is important
especially when cochannel RF interference is present, since the amplitude of co-channel
interference-caused video noise components characteristically increases with frequency.
The noise-loading technique is recommended for the specification and test of video filter
distortion for FDM signals. For both the case of FDM and TDM signals, specifications
and tests should be applicable to the cascaded video amplifier/baseband filter.

6. Special Requirements for Minimization of Distortion.
6.1 Overall Receiver Distortion It is recommended that the noise-loading and
impulse-response duration specifications and tests discussed in Sections 3. 3. 3 and 5,
and defined in detail in Reference 1 be applicable to the total telemetry receiver as an
assurance of overall quality. The test signal could be inserted at the receiver RF input,
and the resulting distortion measured at the video output, following the video filter. It
may be desirable to implement the receiver overall distortion tests in addition to, or in
place of, the specifications and tests for individual stages.
6.2 Co-Channel Interference In cases where there is co-channel RF interference
(such as RF multipath), it may be desirable to specify the FM capture performance of the
receiver. In cases where co-channel RF interference is present, improved capture
performance may allow the recovery of the stronger-signal data, where without the
improvement there would be only noise at the video output. It should also be recognized,
however, that such capture performance enhancement may cause an increase in baseband
signal distortion over what distortion would be present without enhanced capture
performance when no interfering signals are present. The increased distortion is because
of the distorting effects to the predetection-signal of cascaded narrowband limiters
usually employed for improvement of the receiver capture ratio.
Capture ratio is defined as the lowest voltage ratio of RF interferingsignal input to RF
desired-signal input which results in an undisturbed desired-signal modulation output.
The interfering-signal modulation output is the undesired modulation occurring as a
result of the interfering-signal RF input. The desired-signal modulation is considered
“undisturbed” if the undesired-signal modulation is some 20 to 30 dB below the desiredsignal modulation. The required capture ratio is determined by an analysis of the largest
expected ratio of interfering- to desired-signals.
A test specification for the measurement of capture ratio is highly desirable because of
the number of parameters which affect the result. Modulation frequencies, RF deviations
(usually expressed in terms of a percentage of the second IF amplifier bandwidth), and
the range of desired-signal RF amplitudes over which the specification is applicable,
should all be included in the test specification. The compromise in data quality should,
of couse, be reflected in the overall receiver distortion specification discussed in Section
6.1.
Capture ratios of as high as 0. 9 have been demonstrated in operational telemetry
receivers. Guidelines as to achievable capture ratios, and expected resulting data
distortion may be found in References 5, 6, and 7.
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CHARACTERIZATION AND MEASUREMENT OF RECEIVER
PERFORMANCE IN THE PRESENCE OF INTERFERENCE
ELIE J. BAGHDADY
Info Systems, Inc.
San Diego, California 92111

Summary The performance failure mechanisms of a receiver that may be activated by
interference are reviewed and methods of characterizing and measuring this performance
to bring out the receiver susceptibility to interference, and the nature and degree of its
performance degradation under specified conditions of interference and background
thermal-type noise, are presented.
1. INTRODUCTION
From the viewpoint of modeling, analysis and prediction of interference effects upon
receiver performance and final message reception, it is convenient to subdivide the
receiving system into three major sections as illustrated in Fig. 1. The signal
“dimensions” that are involved in the design and performance of each part are also listed
in Fig. 1. The methods of signal processing and the associated circuitry may be quite
different from one of the indicated sections to the others.
Accordingly, the requirements for the analysis and prediction of the effects of
interference depend on the point in the receiving system at which the effects are of
interest. In general, one may desire a knowledge or an assessment of interference effects
A.

at outputs of one or more basic receiver operations, and as functions of the design
characteristics of the receiver stage considered, in order to determine what the
interference effects will be and how they can be minimized by suitable design
optimization of the receiver stage under consideration;

B.

at the output of an overall receiver structure in order to determine how the
baseband is affected and if any further processing can reduce the disturbance
effects; and

C.

as perceived by the user, which may be a machine or a human operator.
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Fig. 1 Subdivision of Receiving System into Three Major Parts with
Corresponding Relevant Dimensions for Separating Signals.
In each case, the validity of the analysis and the results used in predictions rests on the
completeness and correctness of the models employed for the interference, the signal and
the receiver operations on their sum, and on the assumption of how and where the
interference is introduced into the receiver circuits. In what follows, the questions
relating to the receiver operations will be discussed. The characterization and modeling
of the interference and the signal will be discussed as part of the measurement
procedures in later sections.
2. FACTORS AFFECTING RECEIVER SENSITIVITY TO INTERFERENCE
We start with a brief review, with the aid of Figs. 1 and 2, of the factors that influence
the vulnerability of a receiving system to interference. For purposes of illustration only, a
general functional structure of an FM receiver is shown in Fig. 2 with a listing, for each
functional block, of factors that determine the receiver sensitivity to interference. Similar
diagrams can be readily drawn for other types of modulation, but the differences do not
influence our general discussion here.
The major contribution of interference into the receiver is generally encountered in the
medium-to-receiver coupling section (although it must be realized that troublesome
interference may also enter the receiving system through improper grounding and
shielding of all RF and IF parts from neighboring transmitters.) The far-field directional
characteristics of the receiving antenna determine the system susceptibility to interfering
radiations arriving from different directions in space, and its far-field frequency
characteristics determine the portion of the spectrum that presents the interference threat.
The near-field characteristics of the antenna determine its coupling to neighboring
transmitting and other radiating sources.
The coupling of the receiving system to the radiation field may also be achieved through
a multiplicity of elements, to secure advantages of diversity from spatial antenna element

Fig. 2 General Functional Structure of FM Receiver, With Listings of Factors
that Determine Receiver Sensitivity to Interference

separations, from polarization or from angles of arrival of received radiations. Synthetic,
spatially selective antenna nulls may be accomplished from appropriate combinations
and processing of antenna-element outputs.
Another potential cause of performance limitation arises from the fact that the coupling
of the antenna system to the receiver front-end stages can never, in practice, be
completely matched. The resulting reflections in the coupling transmission network or
line will cause additional receiving system susceptibility to interference.
In the RF-to-baseband processing section, all receivers basically start with “linear”
stages purported to preselect and amplify a frequency range that includes the spectrum of
the desired signal. Then, through frequency conversion processes followed by further
linear filtering and amplification, the selected portion of the spectrum is narrowed down
to the desired frequency channel, with the guard bands (if any) falling in the nominal
cutoff regions. In practice, the degree of linearity of these receiver stages depends upon
the input signal level as well as upon the level of the interference present. Strong
interference will usually cause the amplification, mixing and filtering stages to be driven
into nonlinear modes of operation, causing a considerable increase in the receiver
susceptibility to interference from all sources operating within the effective frequency
response range of the antenna system.
Thus, one must recognize that so-called linear stages of selective amplification and
frequency conversion in reality have limited dynamic ranges of linear response. A strong
interference (anywhere in the spectrum that drives these front-end stages into saturation
will cause
(a)

a drop in the level of the desired signal relative to attendant noises (so-called,
desensitization) as delivered to the IF stages: an

(b)

spurious byproducts (in the IF range) of nonlinear interaction among signals
present at the antenna terminals.

The response of the “linear” stages is also usually regulated by automatic gain control
(AGC) and automatic frequency control (AFC) to minimize dependence of their
characteristics upon signal level and reduce susceptibility to frequency drifts. The
presence of interference may influence the receiver response by affecting the AGC and
AFC operations.
The last stages of RF-to-baseband processing consist of demodulation circuitry pertinent
to the type of modulation on the desired signal. Each type of modulation can in practice
be demodulated in a number of ways. In any case, the basic operations of the
demodulation circuitry may be strongly influenced by the interference present.

Moreover, under the normal conditions of demodulator operation, the distorting,
disturbing and disruptive effects of interference upon the received message are normally
irrevocably introduced in the demodulation operation.
Demodulation processes usually involve switching devices (such as linear rectifiers),
nonlinear conduction devices (such as square-law or <th law devices), and amplitude
limiters or clippers, all with or without associated energy storage elements for producing
desired effects on the output of each device. Additional operations include frequency
and/or phase reference extraction or synchronization circuits. The outcomes of the
operations performed by these “building blocks” on the sum of signal plus interference
are of basic importance to the modeling, analysis and prediction of interference effects
upon received messages.
The characterization and modeling of receiver performance under conditions of a
multiplicity of signals plus noise at the input can be pursued along two general
approaches: one in terms of graphical relations between input measures of interference
and noise relative to the desired signal and output measures of performance, the other in
terms of input-to-output transfer operations. With either approach, the object is to bring
out the most indicative results of receiver performance analyses that show the net effects
of the design limitations and failure mechanisms of the various functional elements of
the receiver structure and the dependence of the performance upon the significant signal
and interference parameters. Only the graphical approaches will be discussed here.
3. GRAPHICAL CHARACTERIZATION OF RECEIVER MULTISIGNAL
PERFORMANCE
The performance of a receiver in a multi-signal environment can be brought out
efficiently in terms of plots of the variation of desired relative measures of output signal
and disturbance as functions of input measures of relative properties of signal and
interference. The terms “output” and “input” may pertain here to both functional
segments of the receiver structure as well as to the overall structure, depending upon the
purpose of the characterization;. e.g., determination of overall performance as opposed to
the determination of the contribution of various parts of the receiver to the overall
performance degradation.
In what follows, a number of graphical presentations that bring out various aspects of
receiver performance in the presence of interference will be described briefly.

3.1 Receiver Frequency-Selectivity Characteristics
The dependence of the response of a receiver upon the frequency location of the
interference relative to the nominal center of the receiver passband can be characterized
with the aid of multi-signal selectivity curves. We illustrate here in terms of the twosignal case, but the discussion can be readily generalized to the characterization of
receiver selectivity under conditions of three or more different signals with or without
background gaussian noise.
For a two-signal selectivity curve, one considers two signals to be applied at the receiver
input, one fixed in tuning to a particular nominal frequency (such as the nominal center
of the receiver passband, or any other location of interest) and the other is varied in
frequency location. The components of the receiver output are then determined and
identified as corresponding one to the fixed-tuned signal, another to the variable-tuned
signal and the third to interactions between the two as well as other effects precipitated
by the presence of the interference. For example, in the case of an FM receiver, either or
both of the signals may be an FM signal, and the corresponding components of
demodulator output are the signal modulations. Moreover, either signal may be
considered the desired one for purposes of determining the receiver performance under
the corresponding conditions, and some measure of the quality of its reproduction in the
output may then be used as the quantity whose dependence on the frequency location of
the interference is of interest. The measure of output signal fidelity is dependent upon
user requirements and other terminal equipment. Typical indicators of fidelity may be
percent capture of desired signal modulation relative to some suitable reference, total
attendant distortion, the ratio of output signal to total attendant disturbance, probability
of error, speech intelligibility word scores, etc.
The performance of receivers against co-channel interference depends critically upon the
performance of the IF-to-baseband conversion portion of the receiver, which includes the
IF amplifier stages and filters and associated AGC, and the desired signal demodulator.
In particular, the capture characteristics of the demodulator have the decisive influence
on the ability of the receiver to deliver the desired signal message. Capture
characteristics bring out the receiver performance, based on some measure of signal
fidelity in the output, as function of input signal-to-interference ratio, and will be the
subject of discussion in Sec. 3.2
The selectivity of the IF filter discriminates against adjacent-channel and out-of -band
interference provided that the front-end stages preceding the IF filter are not overdriven
into nonlinear operation. Ripple in the passband of the IF selectivity curve also affects
the ability of the receiver to discriminate against interference at values of input signal-tointerference ratio around 0 dB (i.e., near equality) causing a broadening of the range of
input S/I ratio in which capture transition occurs from one signal to the other. The

linearity of the IF phase characteristic affects the residual levels of distortion in the
receiver output, particularly in the case of FM receivers.
A test set up for obtaining a two-signal selectivity curve is shown in Fig. 3. A complete
characterization involves variation of the following four parameters:
a.

Absolute level of signal measured in terms of dB above the noise floor of the
receiver referred to the IF bandwidth (BW)IF

b.

Input signal-to-interference ratio, S/I in dB

c.

Carrier frequency of the desired signal, fs

d.

Offset of the interference frequency, fi, relative to the desired signal, as measured
in units of the IF bandwidth; i.e., (fi - fs)/(BW)IF

Fig. 3 Test Setup for Determining the Two-signal Selectivity
Characteristics of a Receiver
A typical two-signal selectivity curve for an FM receiver is illustrated in Fig. 4. In this
curve the demodulator output is plotted in terms of relative capture of a sinusoidal
modulating signal referred to a no-interference condition. The effect of the interference
is to degrade capture of the desired FM modulation with a consequent reduction in
desired output component level below 0 dB. When the stronger interference is swept
over RF frequencies in the vicinity of the desired signal carrier, relative capture of the
desired signal drops well below 0 dB, indicating capture of the receiver by the
interference. In the tests that yielded the curves in Fig. 4, the receiver front end was
driven well into saturation producing intermodulation products that fell into the band of
the desired signal and captured the receiver at the frequencies of the dips shown in the
curve of Fig. 4(a).
The two-signal selectivity curve for the same receiver equipped with an improved frontend design (with emphasis on increased dynamic range) is illustrated in Fig. 4(b). The

Fig. 4 Two-Signal Selectivity Curves for Two FM Receivers
same frequencies and signal levels were used as in Fig. 4(a). The improved performance
of the high dynamic-range receiver is clearly demonstrated by the fact that the effects of
the interference were confined to regions co-channel with the desired signal. In
comparing the susceptibility of the two receivers to interference, using as a basis the
two-signal selectivity curves, the high-dynamic range receiver is clearly the better of the
two.
A complete characterization of receiver selectivity under two-signal conditions involves
plotting families of two-signal selectivity curves with each curve plotted for a different
setting of the parameters listed above, including settings for which the effects of
background gaussian noise are not negligible. The details of the two-signal selectivity
curve over the frequency ranges immediately surrounding the band of the desired signal
bring out the effects of the tuning of the interference relative to the signal. These curves
also facilitate identification of common failure mechanisms such as
a.

desensitization and blocking

b.

Intermodulation

c.

spurious responses

In addition, as shown in Fig. 4(b), the effects of improved design features such as
linearity over a wider dynamic range, increased front-end selectivity, better choice of
conversion frequencies, all are borne out by the two-signal selectivity curves.
3.2 Receiver Capture Performance Characteristics
The emphasis in the multisignal frequency selectivity characterization discussed in the
preceding section is on the receiver performance as a function of the frequency locations
of the undesired signals relative to the frequency location of the desired one. Another
vital aspect of receiver performance is its dependence upon the intensity of the
interference relative to that of the desired signal. This is brought out by the receiver
capture characteristics.
In general, the measurement of capture performance directly in terms of the performance
index (e.g., the probability of error) most suited to the desired application is an unwieldy
and often unfeasible operation. It is therefore desirable to calculate the performance in
terms of some standard and easily identifiable, separable and measurable modulation
waveforms (such as single tones or other baseband process.) The measurable
characteristic of the desired modulation should then be portrayed along with a
corresponding measure of the attendant distortion, both as functions of the input ratio
(S/I) of signal strengths. The resulting quantities could then be related, by means of a
separate and independent computation or measurement, to error probability or some
other performance index that is appropriate to a specific application. In this way, the
receiver capture performance measurements can be standardized for all possible
applications. Only the interpretation of the results in specific circumstances remains, and
this is legitimately left to the discretion of the user, not the salesman or the manufacturer.
The user may then abstract the capture performance of the receiver by a single number -the capture ratio -- which he determines from the standard capture performance curves
on the basis of a criterion of capturethreshold that is most suitable to the specific
intended application.
Thus, a complete description of the capture performance of a receiver from the viewpoint
of a specified application requires the presentation of either
a)

a plot of the variation of a suitable measure of the desired baseband signal
component plus a plot of a correspondingly appropriate measure of the disturbance
introduced in the desired baseband by the interference, both as functions of the
interference ratio, or

b)

a plot of the ratio of the proper measures of baseband signal and disturbance as a
function of the input interference ratio.

For illustration, consider a simple experiment in which an FM receiver is excited by two
signals that have different constant amplitudes and carry identifiable frequency
modulations. Assume that the frequencies of the two signals are such that if either of the
two signals is switched off, the output from the receiver will be an undistorted replica of
the message carried by the other signal. Set the amplitude of one signal at some constant
suitable value Es and slowly increase the amplitude aEs of the other from zero. The
observed performance of a conventional (limiter-discriminator) FM receiver is typically
as follows: At a = 0 one signal is completely off and the receiver output consists of the
detected frequency modulation of the other signal. As a is increased from zero, the
output will continue to be essentially an undistorted replica of the stronger-signal
message until some value of a = acap<1 is reached at which noticeable distortion in the
output begins to set in. As a is increased from acap to unity (equality of input signal
amplitudes), the observed distortion rises to a very disturbing level with unmistakable
evidence of the presence of the aEs signal. As a acquires values increasingly greater than
one, the output appears more like the modulation of the aEs signal with heavy distortion
and crosstalk from the Es signal. For a>1/acap, the output is essentially an undistorted
replica of the modulation of the aEs signal.
In the laboratory, it is convenient to modulate the signals with single tones whose
frequencies are sufficiently well spaced to enable the observer to isolate them and
measure them separately in the output. If the observed strength of each tone at the output
is plotted (in percent of its would-be value in the absence of the signal carrying the other
tone) against the ratio of amplitudes, a, the result is called a “capture characteristic.”
Typical stronger-signal and weaker-signal capture characteristics for FM receivers are
shown in Fig. 5. A medium-quality receiver, operating in the presence of co-channel
interference, is likely to have the capture characteristics marked A and A'. The amplitude
ratio acap is called the capture ratio of the receiver and it is a function of the receiver
design as well as the type of interference (co-channel or otherwise) for which it is
measured. If a stronger-signal enhancement circuit (for example one or more narrowband
limiters, or a feed-forward circuit, etc. ) is switched into the signal path in the receiver,
the A curves are transformed into curves such as the B curves. The A and B curves, of
course, continue at the 100 per cent level outside the region shown, although they are
stopped in the figure below a = acap. The introduction of a weaker-signal capture circuit
leads to characteristics such as C and C'. The C and C' curves usually merge into curves
such as the A or B curves around a = 1.
It is clear from Fig. 5 that improvements in the stronger-signal capture ability of the
receiver result in a narrowing of the capture transition range (acap<a<1/acap), or the range
of values of the amplitude difference between two competing signals in which the
receiver is unable to deliver the message of either signal without harmful disturbance
from the other.

Fig. 5

Typical capture characteristics for an FM receiver. A and A' describe
likely stronger-signal capture performance. B and B' describe
performance of same receiver with a stronger-signal-captureimprovement operation added to its circuit.
C and C' result from addition of a weaker-signal capture device.

The presentation of the receiver capture performance may be made in another interesting
form. For illustration, capture curves for several types of receivers are shown in Fig. 6, in
which demodulator output signal- to-disturbance ratio is plotted vs. input signal-tointerference ratio for several demodulators including linear product detectors, envelope
detectors and FM discriminators. These curves illustrate the behavior of the various
demodulators against co-channel CW interference located in the vicinity of the desired
signal carrier.
The FM demodulator capture curves exhibit better reception of the desired signal in the
presence of interference as compared with a linear receiver for the same input S/I. This
holds as long as the input S/I exceeds the capture ratio of the receiver. In the case of CW
interference, typical values of the capture ratio lie in the 1 dB to 3 dB range. For S/I
below this ratio, the output signal-to-disturbance ratio degrades quickly with respect to
the linear receiver output. When the interference is stronger than the signal, the FM
demodulator delivers an output determined principally by the interference and suppresses
the desired signal. In the case of a linear-modulation receiver utilizing a coherent product
demodulator, the output ratio of signal to distortion varies linearly with input S/I with no
strong signal capture effect or capture transition region for in-band interference.
In the case of a linear AM receiver utilizing an envelope detector, the region of S/I
around 0 dB is a region in which baseband disturbance levels are high because of the
detector nonlinearities. The result is a degradation of output signal-to-disturbance ratio
below the performance of the same receiver using a coherent product demodulator.

An illustration of the effect of different types of interference is also shown in the FM
capture curve of Fig. 6. Two capture curves are plotted for the FM demodulator
depicting the effect of CW interference and the effect of gaussian-noise interference. For
high input values of S/I, the output signal-to-disturbance ratios are equal for each case as
determined by the FM improvement. However, for low input ratio of S/I, higher levels of
output signal-to-disturbance ratio are maintained for CW interference relative to the
noise interference case. The capture transition region for the case of CW interference is
much more abrupt due to the constant-envelope feature of CW interference as compared
to the fluctuating envelope of the noise.

Fig. 6 Presentation of Capture Performance in Terms of Output
Signal-to-Total-Attendant-Disturbance Ratio
The capture performance curves, as illustrated above, provide a means of assessing
receiver performance against interference of specified location in frequency. Other
interference parameters may also be introduced in accordance with those listed in
Sec. 3.1 to plot families of demodulator capture curves. Thus, out-of -band interference
may be expected to require a larger interfering signal to produce the same measure of
output signal-to-disturbance ratio, but FM-to-AM conversion of an out-of-band
interference by the sloping IF skirts tends to broaden the capture-transition region.

Comparison of the effectiveness of various receivers in rejecting interference may be
made by observing certain characteristic shifts in the capture transition region. An
increased shift to the left toward lower values of input S/I for a given output signal-todisturbance ratio is thus indicative of the ability of a receiver to reject out-of-band
interference. Similarly, the effect of other parameters, such as background gaussian noise
level and front-end saturation threshold, may also be observed by noting a shift in the
capture transition region.
3.3 Receiver Signal Level Profiles
A revealing picture of receiver performance in the presence of interference and noise
may be obtained with the aid of receiver signal-level profiles. These profiles trace the
signal, interference and noise levels through the concatenation of critical functional
blocks of a receiver from the front end to the output of the demodulator, showing how a
given receiver will respond to various interference and noise conditions and how certain
failure mechanisms associated with signal levels are revealed in the receiver. The
dynamic range limitations of various functional elements and their effect on overall
receiver performance are also illustrated by the profiles.
The receiver signal-level profiles are based on specific level transfer characteristics of
the various functional receiver elements. The basic receiver model under consideration is
that of a superheterodyne receiver with a linear demodulator illustrated in Fig. 7.
Accompanying the various functional blocks in the system are specifications
characterizing the transfer processing operations of each block.
We consider first a receiver signal-level profile plotted in Fig. 8 for an unmodulated
sinusoid 10 dB above the noise floor and at the center frequency of the receiver. If we
arbitrarily assume an IF frequency of 1 MHz and an IF bandwidth of 10 kHz (i.e., 1% of
the IF frequency), the noise floor corresponding to a noise figure of Fo = 10 dB is
FokTBIF = -124 dBm. The signal input level for SNR = 10 dB is thus -114 dBm. The
noise floor of -124 dBm and signal level of -114 dBm are indicated on the profile on the
far left scale. Since the receiver is tuned to the signal, the selectivity of the various
receiver stages does not alter the signal level on the profile. This profile thus indicates
the gain factors of the various receiver stages. The preselector causes a I dB drop in
signal plus noise, while the front end RF amplifiers raise the signal level and noise level
by 25 dB to levels of -90 dBm and -10 dBm respectively, at the input to the IF amplifier.
We note that the front-end noise level at the input to the IF amplifier is 31 dB above the
noise floor of the IF amplifier. The IF amplifier noise therefore has a negligible effect on
the overall noise level and SNR. The AGC action in the IF amplifier constrains the
output level to 0 dBm, thus providing a gain of 90 dB. The corresponding IF output
noise level is -10 dBm. Unity gain through the linear demodulator yields an output SNR
of 10 dB.

Fig. 7 Principal Functional Blocks of a Superheterodyne Linear-modulation (AM,
DSB, SSB, etc.) Receiver with Indicated Illustrative Characteristics

Fig. 8 Receiver Signal Level Profile, Signal Plus Noise Condition

The profile shown in Fig. 9 depicts an interference situation in which we postulate a
high-level interfering signal within the RF front-end passband but well out-of-band of
the IF filter; i.e., such that (fi - fs)< (BW)RF but (fi - fs)>4(BW)IF,3dB. The interference,
within the passband of the front-end filters, is assumed to enter the receiver at a level of
-25 dBm, or 1 dB below the saturation level of -24 dBM of the RF amplifier
(corresponding to the 1 dB gain compression level). This corresponds to an input signalto-interference ratio of -89 dB. The interference plus signal and noise are processed
linearly through the receiver front end where they are amplified to levels, at the input to
the IF, of -1 dBm, -90 dBm and -100 dBm, respectively. In order for the receiver to reject
the interference , the IF filter must provide 100 dB of rejection for the interference to
suppress it below the noise level at the demodulator input. For the IF filter illustrated in
the model of Fig. 7, the selectivity is such that (BW )60dB/ (BW)3dB = 4, and 100 dB
suppression of the interference requires an interference frequency offset such that (fi - fs)
> 9(BW)IF, 3dB . The IF selectivity of this receiver has the capability of suppressing
interference to below the noise floor in the demodulator output even when the input level
of the interference is at the saturation level of the receiver (-25 dBm) within the RF
front-end passband. This capability assumes that the IF amplifier processes signal,
interference and noise linearly and that the AGC is not captured by the interference.

Fig. 9 Receiver Signal Level Profile, Signal + Interference + Noise
(Interference Below Front End Saturation Level)

Saturation of the front-end stages by a strong interference drives these stages into
operation as a front-end amplitude limiter. This causes the desensitization and other
effects mentioned in Sec. 2. With the available knowledge of the effects of an amplitude
limiter upon the resultant of two or more sinusoids plus gaussian interference, the effect
of saturation upon relative signal, noise and interference levels can be readily portrayed
on the signal-level profile. The failure mechanism of desensitization can be avoided by
providing more selectivity in the front-end stages and by increasing the dynamic range of
the receiver front-end stages. Thus, the capability of a receiver for rejecting high-level
interference may be measured in terms of saturation levels of the front end and front-end
selectivity. It is important to note that the rejection capabilities against high-level
interference within the passband of the frontend stages are not solely dictated by the IF
selectivity characteristics. It should also be emphasized that false conclusions regarding
receiver performance can be drawn from sole consideration of IF selectivity. The signal
level profiles provide a means of assessing receiver performance from several points of
view taking into account such factors as front-end selectivity, front-end saturation, noise
floors, IF selectivity and AGC range.
In general, any interference that is within the passband of the IF filters is not suppressed
by the receiver processing stages. For the case of the linear receiver model shown, the
output signal-to-interference ratio would equal the input signal-to-interference ratio
when the interference is co-channel with the desired signal. In certain cases depending
upon the properties of the signal and interference, interference suppression techniques
can be exploited to suppress the effects of cochannel interference and/or restrict its range
of effectiveness. We illustrate the capabilities of an interference suppression technique
by a specific example.
A signal-level profile for a linear, phase-coherent receiver is illustrated in Fig. 10 for the
case of a threshold signal at an input level of -150 dBm,which is 50 dB above the noise
floor of the receiver as measured in the front end bandwidth of 6 MHz. Co-channel
interference applied at levels above -120 dBm induces a failure mode in the receiver
causing subsequent processing stages to malfunction.
The signal-level profile of Fig. 11 depicts the performance of the same receiver under the
same signal and interference conditions, but with an interference suppression technique
retrofitted in stages preceding the IF stages. The operations involved in this interference
suppression technique require phase locking to the interference,followed by subsequent
notch filtering and signal restoration stages. Insertion of the interference suppression
technique results in a receiving situation in which the receiver is still able to operate for
any co-channel interference component in the -110 dBm to -50 dBm range. Above -50
dBm. the interference causes saturation of the front end with subsequent desensitization
or other nonlinear effects. In the range -110 dBm to -120 dBm, phase-locked loops in the

Fig. 10 Signal Level Profile of Phase-Locked Receiver
interference-suppression technique are unable to lock properly and the interference is
thus not attenuated. Interference below -130 dBm does not affect receiver performance.
This practical example thus points out how signal level profiles may be used as a means
of characterizing receiver performance. The example also serves to illustrate how various
receivers with different interference suppression capabilities may be compared, using
signal-level profiles to determine ranges of interference susceptibility.
3.4 Performance Contours in a Two-Signal Plane
A particularly effective presentation that provides a “panoramic” view of the receiver
performance as a function of absolute,as well as relative,signal and noise levels is
illustrated in Fig. 12. For a specified separation of the frequency locations of the signal
and the interference, specific contours of “constant” quality of performance are plotted in
a plane in which values of the strength of one of the signals are marked along one of the
axes and those of the other signal along the other axis. The receiver noise floor is also
marked and appears as the dashed lines indicated in Fig. 12. The upper limit of the

Fig. 11 Signal Level Profile of a Coherent-Tracking Receiver
Retrofitted with Interference Suppression Techniques
dynamic range o linear operation of the presumed linear pre-demodulator stages can also
be marked as indicated. The measures of signal strengths indicated along the principal
axes can be signal amplitude, average signal power or energy per pulse (for a digital
link). The measure of noise floor would be the rms value of the noise in the appropriate
bandwidth, corresponding to axes designated for signal amplitudes; average power in the
appropriate bandwidth, corresponding to axes of signal powers; and noise power density
per Hertz of bandwidth for axes marked in signal energies per pulse. Furthermore, in
situations where different measures of signal strength are preferred (such as rms value
for one and amplitude for the other, or amplitude for one and energy per pulse for the
other) the noise floor would be measured along each axis in the manner compatible with
the measure of signal strength marked along that axis. The measures of performance
could also be any meaningful indicators required by the user. Finally, the actual units
employed for the measures of signal and noise strengths are those most appropriate to the
desired situation; e.g., dBm has become a very popular unit of signal and noise power.

Fig. 12 Two-signal Plane Presentation of Receiver Performance
Under Conditions of Interference and Background Gaussian Noise
As a specific illustration, consider an FM receiver operating in a conventional strongsignal capture mode. If the interfering signal is assumed to be another FM signal
occupying a channel of specified frequency location.relative to the desired signal, then
the measures of signal strengths marked along the principal axes might be the input
signal amplitudes. For a specified baseband process for each signal, the measure of
performance might be the ratio of the power in the desired component in the output to
the power in all of the undesired components. In the absence of background gaussian
noise, the contours of constant signal/ (disturbance) ratio would be straight lines parallel
to the line of equal input signal and interference amplitudes. The effect of front-end
saturation that does not degrade the RF-to-IF frequency conversion process will improve
the capture of the stronger signal if no other signals are present within the RF front-end
passband. This capture improvement causes the contours to bend as shown with up to a
6 dB shift of the points parallel to the axis of the stronger signal toward the line of equal
signal amplitudes. The presence of a gaussian noise floor causes the contours to bend
away from the line of equal signal amplitudes, as the signal level approaches the level of
the noise floor. These performance characteristics are illustrated in Fig. 13.

Fig. 13 Two-signal Plane Contours of Constant Values of the Ratio
(Signal/Disturbance) in FM Receiver Baseband Output

THE GENERAL PECULIARITIES OF ANIMAL TELEMETRY
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The design of optimal instrumentation for a particular biological study requires
consideration of a number of general factors such as portability, versatility, reliability,
cost, accuracy, operational simplicity, etc., as well as the specifications peculiar to the
particular kind of instrumentation. I will briefly discuss some of these in relation to
studies of animals in their natural environment wherein it has already been concluded
that radio or sonic telemetry offer the best instrumentation approach.
It is convenient to look at the problem of the biological researcher who must specify
instrumentation while being only vaguely aware of the many trade-offs involved. These
are primarily trade-offs between size-weight, life, range, and costs. Some of the early
studies of large animals such as bears required little sophistication since telemeter sizeweight was not critical. Now, however, it would seem wise to maximize the range-lifereliability product for a given size-weight, even for elephants, and crucial to do so for the
much smaller animals.
It is axiomatic that the attachment of a telemeter to an animal will in some way affect the
animal, and further, that telemeter size-weight, shape, and method of attachment are
contributing factors. An animal may not be aware of an attached telemeter, but the
additional weight and accompanying shift in center-of-gravity require a change in
muscular response to achieve a given movement or stance. At the other extreme, an
animal may be of such a temperment that is greatly bothered by the presence of a
telemeter, however small. Thus, the research must seek a telemeter size-weight, shape,
and attachment to which the animal can physically and mentally adapt in a reasonably
short time. An ultra-conservative approach is precluded because specification of sizeweight will place limits on range, life, or cost. At one extreme the research is faced with
a bias which invalidates the observations and at the other with range or life which is
insufficient to make the desired observations. In general, as smaller animals are
considered these extremes converge until a point is reached where present technology
cannot meet all specifications at any cost. For example, butterflys are not amenable to
telemetric studies with present technology. The size-weight and attachment which are
tolerable to an animal are usually sought by trying various telemeters and looking for
anomalous behavior. The anomalies may be obvious as with a bird which cannot fly, or

subtle as with a fox which gives up defending its territory. The problem is often a
difficult one requiring keen intuition and acute observation on the part of the researcher.
Range is seldom fairly considered by the researcher, the tendency being to specify
greater than necessary range. As range is reduced the time required to locate an animal is
increased, but the relationship is not linear. For example, if the probability that a rabbit
will stay within a one km2 area is 0.95, average location time for rabbits will be only
slightly reduced by increasing telemeter range from 1/2 to 1 or even .100 km. Area
occupancy probabilities are seldom known, except within broad limits, particularly for
species which have received little attention. Thus, the researcher may find it expedient to
conduct some preliminary tests with whatever is conveniently available and to use the
results to determine realistic range specifications. Other factors to be considered include
the mobility of the observer as affected by roads, topography, vegetation, watercources,
etc., the number of animals to be studied simultaneously, and the desired frequency of
location. Although short range can be compensated for by more dollars in the form of
more observers working more hours and with perhaps more mobility, it must be
considered that this approach also leads to more disturbance of the subject animals. In
some cases the objective is to bring an observer into visual contact with the animal for
behavioral observations, in which case disturbance bias may be unavoidable.
The life required for a telemeter will vary greatly for different applications. Some
objectives may be served with a few days observations; however, the majority require
months or even years. One solution is to recapture the subject at intervals shorter than
the life of the telemeter and replace the telemeter or its batteries. Capture cost and effort
vary from species to species, eg., to recapture a particular wolf may cost $500, a mouse
only $1. Periodic recapture is a third type of bias which may or may not be important
depending on the period and the species.
Hardware, observer, recapture, overhead, and analysis costs are all interrelated with one
another and to the various specifications outlined above. Often, cash is scarce while
labor, through students or salaried persons, appears free. This often leads a researcher to
be very hardware costconscious and unconcerned about real costs. Hardware typically
represents about 5% of overall real cost making a 10% saving on hardware a 1/2%
overall saving, hardly worth any compromise in performance. The result of being penny
wise and pound foolish is usually a minor disaster for the researcher and a major disaster
for the subject animals.
To summarize, the researcher must seek optimal compromises between telemeter bias,
disturbance bias, and recapture bias each of which may affect the validity of the research.
These compromises are directly related to size-weight, range, and life trade-offs which
require engineering expertise. It is a rare researcher who is capable of handling these
trade-offs by himself since the relationships are complex, seldom linear, and dictated by

an alien theory and technology. Some interdisciplinary cooperation is essential. The
burden of communication falls most heavily on the telemetry specialist who is usually
better prepared to comprehend the basic aspects of a biological study than is the biologist
to understand the technical aspects of telemetry. A related problem which has plagued
numerous researchers is that they have no experience which enables them to distinguish
between a competent engineer and the far more numerous and available imposter, until
of course, it is too late.
The space allotted here is insufficient for a discussion of the technical aspects of animaltelemetry systems in a manner appropriate to an audience of telemetry specialists.
Instead, I will finish by reviewing briefly what is and what is not “on the shelf” after thefirst dozen years of animal telemetry use and development.
Several institutions and small companies have become focal points for most of the
tracking telemetry being done and a typical supplier-user relationship has evolved which
includes the usual array of “canned” telemetric solutions. These, combined with an
increasing literature on the subject make telemetric studies of many of the common
animals available to researchers without the heavy development burdens described
above. However, for many species it may still be necessary for the researcher to decide
which, of a variety of specifications best fit his particular application or to make or
specify modifications and perhaps devise unique attachment methods. To this extent
most non-aquatic animals weighing more than 25 g are likely to be amenable telemetric
subjects whereas smaller animals and most aquatic animals pose special problems not
soluble with presently available “off the shelf” instrumentation.
Telemetry transmitters that are available commercially or described in the literature vary
from one to over a thousand grams, provide ranges from a fraction to tens of kilometers,
operate in the VHF or UHF frequency range, and have operational life from several to
several hundred days. Receiving equipment for a variety of applications is available
commercially. Similiar equipment is available for sonic or ultrasonic underwater
tracking. None of these offer anything new in an engineering sense since they represent a
tailoring of available technology to a particular application. Yet, this tailoring represents
a significant step inasmuch as (1) attention to detail is often the key to satisfactory
instrumentation and (2) the gap between what engineers scoffed at a dozen years ago as
“off the shelf” and what they were .actually able or willing to provide was a wide and
difficult gap to breach.
Much remains to be done, as usual. For one thing, a large part of what is available is
junk. Some of the equipment being marketed would be appropriate for a junior high
science fair. Some of the technical papers appearing in biological journals reflect only
the life-sciences training of the editor and referees. Without considering the apparent
problems represented by these abortive efforts, a number of very real problems remain.

For example, consider that out of a sample of 100 deer collars designed to operate for 48
months, about 70 will last between 9 and 15 months, 20 less than 9 months and only 10
more than 15 months. In most studies only a small percentage of malfunctioning
telemeters are ever recovered making it difficult to pin-point causes of failure. Of those
that are recovered premature battery failure ranks about equal to all other causes
combined. After many years experience with this problem I can only conclude that
animals are in general anything but a gentle environment for electronic devices.
In some applications range could be sacrificed for lower weight if very low power
oscillators were available. The present low limit for crystal-controlled oscillators is about
.05 mw and .75 g (excluding the battery). These provide about 1 km range for ground-toground propagation. What is needed is a telemeter weighing .25 g and requiring say
.01 mw. A range of 300 m would be suitable. This would at least double the number of
species which could be studied. LC oscillators can be made this small but operating
ranges reported in the literature for these are typically 25 to 50 m and the problem of
identifying individuals would be more difficult if, as is done with crystal-controlled
units, frequency is used for identification.
Another area requiring development is in techniques for long-term monitoring of
physiological or environmental data from animals in their natural environment. Present
techniques can provide some kinds of information other than location. Body movements,
in moving the telemeter and its antenna, modulate the carrier. Thus it is possible to tell
whether an animal is still or moving, walking or flying and in some cases even to
differentiate between such activities as preening and feeding. Resistive transducers can
be used to control the pulse rate of simple beacon telemeters, eg., a thermistor.
Techniques are not yet readily available for the transmission of pressure, heart rate,
EKG, EEG, etc. A few quite ingenious multi-channel physiological telemetry systems
have been employed on free animals for relatively short periods of time. Unfortunately
the cost, complexity, and operational skill required have been high and it can be fairly
stated that such instrumentation is not now readily available to the average researcher.
Perhaps this must always be so for some things may inherently require effort and skill
beyond the ordinary. Yet, single-channel telemetry for many variables ought someday to
be employed with little more concern and effort than are required today for radiolocation telemetry.

BIRDS, LARGE AND SMALL
W. J. L. SLADEN
Department of Pathobiology
(Ecology and Comparative Behavior)
Johns Hopkins University
Baltimore, Maryland 21205

Four examples will illustrate the special problems and experiments that relate to the
telemetry of birds large and small. They have been thought about and discussed a good
deal. Some are at present unsolved, others only partially solved. My chief aim in this
paper is to urge the need for closer affiliation between the physicists and the biologists;
to base experiments on sound knowledge of the birds; and to stress that many telemetry
experiments can be done inexpensively.
The Emperor Penguin’s, Aptenodytes forsteri, adaptation to the harsh Antarctic climate
needs investigation because these birds are unique in the animal kingdom. They incubate
their eggs in mid-winter in total darkness at temperatures reaching minus 70 degrees.
The male has the longest fasting period (3 months) of any bird. The single egg is laid on
winter sea ice and then incubated on the dorsum of the foot without any form of nest.
Groups huddle together, without aggression, in winds of hurricane force. A number of
biologists have had ambitious ideas for studying the physiological adaptation of Emperor
Penguins, particularly during the winter, but as yet the challenges imposed by the birds’
peculiar habits and the rigors of the environment and habitat have limited them. Carl
Eklund diverted from Emperors to the Adelie Penguin, Pygoscelis adeliae, to become the
first to use biotelemetry on free-living animals1 Prevost2 studied confined Emperors
during winter by probes and thermometers. Our Johns Hopkins studies3 4 concerned
Emperor chicks or adults in enclosures and not freely moving around in the rookery.
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The earlier study was with thermistor probes the later one with these as well as implanted
transmitters designed by Howard Baldwin of Sensory Systems Laboratory, Tuscon. Both
monitored body temperature on a continuous basis without-repeated disturbance for
catching. But the original objectives, the monitoring of free-living, undisturbed
Emperors from a distance, have yet to be achieved. The technical problems so far have
been too great. For example transmitters and antennae had to be implanted inside the
abdominal cavity as the bird’s structure, and the aquatic and ice environment made
harnesses impractical for anything but short-term studies. This cut the range to a few
meters. Further cuts in range come from the habit of huddling with large numbers of
other penguins, during blizzards. The dangers of the sea ice breaking up during an
experiment were very real, as the rookery was as much as 3 Km from secure land. Thus,
a technique needs be found for boosting the implant transmitter to a range of 4-6 Km. It
is an ideal challenge for the technical experts. One approach would be to give the
Emperor an artificial egg containing a booster transmitter. The penguin would carry this
around on its feet as though incubating a real egg. It would be kept warm and always in
close proximity to the implanted transmitter in the bird’s abdominal cavity. The
experiment would, of course, abruptly terminate if the dummy egg was passed to another
penguin, but since the Emperor male incubates its egg continuously for two months,
some extremely valuable data could be collected on body temperature under many
differing conditions during the south-polar winter.
Some of the most spectacular radio-telemetry work has been done by William Cochran5
and his colleagues of the Illinois Natural History Survey on North American thrushes.
The Emperor Penguin weighs up to 32 Kgm, the thrushes about 32 gms; birds very large
and quite small. Cochran designed a transmitter averaging 2.5 gm which increased the
weight of the bird by 8%. These minute radios with a trailing whip antenna were fixed on
the back of the thrushes, and used to track the birds during their Spring migration
through Illinois and Michigan. Information gained from Cochran’s studies, unobtainable
by anything but radio-telemetry answered many questions related to small bird
migration. For example, the migration is entirely nocturnal. Thrushes are capable of
sustained flights at an altitude of 3,000 to 5,000 ft. at air speeds of 25 to 35 mph for over
300 miles. Though ground cues were not used as route check-points, these small birds
were capable of changing their heading unrelated to wind change when conspicuous land
marks were below. One such example was given of a change when the thrush was within
sight of Lake Michigan and the night lights of Chicago. Several observations were made
of thrushes taking off in bad weather, one in a thunderstorm, for short flights. It is
remarkable that these small birds were able to sustain flight for as much as one-half hour
in heavy rain.
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In response to a suggestion that the radios were responsible for some of the behavior
observed which appeared contrary to non-telemetry data, Cochran et a15 reply
“This point is well taken, for the near impossibility of
providing controls dictates that studies using radio-tags are
studies, not of birds, but of radio-tagged birds”
This problem is a common one regardless of the size of the bird. We have been using
transmitters made by Cochran weighing up to 90 gms with six months life on Whistling
Swans, Cygnus colunbianus columbianus,6 7 This only adds about 2% to the weight of
the bird. These radios had a range of 70 miles when the swan was flying and being
tracked from an aircraft. Several swans have been followed with these on their Spring
migration from the Chesapeake Bay as far as the Great Lakes and into N. Dakota. One
swan was then tracked 581 miles by our Canadian colleague William Gunn from N.
Dakota to northern Saskatchewan7. It made two brief stops during this flight. The actual
flying time was calculated at about 11 hours 10 minutes for an average speed of 51 mph.
During this period the swan flew non-stop for 464 miles in 9 hours 5 minutes. The plane
that followed this bird stopped twice for refueling; a humbling thought. Thus, we have
been able to follow an individual swan for over 2,200 miles and discover that the Spring
migration is performed in a succession of long flights of between 250 and 700 miles,
each interspersed with feeding periods of from 10 to 25 days. Sometimes these long
flights are broken by brief rest periods of a few hours.
We are still not satisfied that these experimental swans are behaving normally. Like
Cochran’s thrushes, we are presently not studying swans but radio-tagged swans. For
example, the bird tracked farthest was a late migrant, taking off when most other swans
were further north. It lingered longer than usual in N. Dakota for feeding. Yet it was
accompanied by its mate (marked with dye and a numbered tarsus band) all the way from
the Chesapeake Bay. Examination of recaptured swans showed that there was no visible
harm to skin or feathers from the harness or radio, but we still do not know what effect
these are having on sustained flight, especially when they encounter - as they often do bad weather. More needs to be done with physicists and biologists working together in
the field.
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We are presently trying to answer by telemetry the question; how high does a swan fly?8
This is of practical importance because there has been at least one fatal collision, with 17
human lives lost, when a Whistling Swan hit a Viscount airliner over Maryland in 1962
at 6,000 feet. The swans were completing a long migration into the Chesapeake Bay. The
aircraft was descending to land at Washington, D. C. Evidence from field studies
indicates that the Autumn migration is flown at a quite high altitude, perhaps even
12,000 feet.
An ingenious device has been made by Walter Good and John Hamblen8 of the Applied
Physics Laboratory, Johns Hopkins University, for measuring altitude. A small pressure
switch was added to the telemetry transmitter whereby the pulse rate was doubled when a
specific altitude (set at 5,000 feet or 10,000 feet) was reached and then returned to
normal when the bird again flew lower. Some of the technical problems are still being
ironed out and our two groups are enjoying the exchange. We are learning that complex
equipment can be used with good effect in animal telemetry. They are learning that the
swan is far less predictable than a highly sophisticated man-made satellite.
My final example comes from the long interest ornithologists have had in learning how
pelagic birds move across the oceans. These sea birds vary in size from the Wilson’s
Petrel, Oceanites oceanicus, no larger than a swallow, which migrates 20,000 miles every
year from and back to its Antarctic breeding grounds via the North Atlantic, to the
Wandering Albatross, Diomedia exulans, with a wing-span of 11 feet, which moves
around the world in the southern oceans. A great amount of data have been collected
from the banding of 3 species of albatross (D.exulans, the Black-browed Albatross, D.
melanophris, and the Grey-headed Albatross, D. chrysostoma) in the southern seas which
show that they have characteristic movements9 10. For example, the Black-browed
Albatross moves in a segmentary manner, 88% of recoveries of birds banded in the
Falkland Islands coming from the Atlantic coast of S. America, whereas 95% of the
South Georgia-banded birds being reported from the waters off South Africa. There is
good circumstantial evidence that the Wandering Albatross circumnavigates the world
eastward in the westwind zone, and this seems to be true also for first year Giant Petrels,
Macronectes giganteus, but after the banding of many thousands of recoveries positive
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evidence is still lacking. Tracking these birds by satellite has been suggested11 12.
However, there is little hope for this until the system has been tried out on larger animals
and until the weight of the transmitter is reduced to about 100 gms. In the mean time, one
approach is to gain needed experience by testing harness and tracking devices on large
birds such as the Whistling Swan which fly over land, can be resighted again for
checking, and that can be followed moderately safely from a tracking plane.
Another more courageous and dramatic approach is being taken by William Cochran
(personal communication) who has attached a transmitter to a Frigatebird, Frageta
magnificens, and tracked it for 800 miles from Wake Island to the vicinity of Marshal
Island in the Pacific. The tracking was done from two stations, one on Midway Island,
the other on Hawaii Island and the range of tracking was over 2,000 miles. Important
information is being gleaned for future satellite tracking, but at a fraction of the cost.
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AQUATIC MAMMALS - PINNIPEDIA AND CETACEA*
G. CARLETON RAY
Department of Pathobiology and Biology
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A feature of telemetry as applied to marine mammals is the contrast between its potential
and its accomplishment. For over a decade, attachment of telemetric and recording
packages to free-living animals has been attempted. Notable success has been achieved
but twice; time-depth recording on the Weddell seal by Kooyman of Scripps and
telemetric tracking of small whales by Evans of the Naval Undersea Research and
Development Center. This summary will indicate some of the problems involved and
some of the desirable parameters for measurement.
The possibility of telemetry in the marine environment will not become reality, on a large
scale, until problems of non-acoustic data-transmission within that environment are
solved. Marine mammals are highly vocal themselves and can hear sounds far beyond
man’s capabilities: at least to 60,000 cycles for each of the three species for which
audiograms are complete (possibly even to 150,000 depending upon power output).
Thus, we shun sonic transmittal of data underwater and turn to electromagnetic
transmission in air as the animal breaks water. This avenue, as Evans’ work has shown,
involves an attached telemetric package. Other approaches are in design and
development stages and are based upon the recording instrument package technique used
by Kooyman. A recording instrument package which stores data on tape and which is
retrieved by recapture of the animal is under development and testing by this writer. A
more sophisticated and considerably larger package which stores data on film is also
under current development by another worker.
A major initial problem is that marine mammals are extraordinarily difficult with regard
to instrument attachment; basically, they strongly resist such rude treatment and there are
few “handles” on their gracefully streamlined bodies. It is essential that the behavioral
biologist and the engineer educate one another over a long time span so as to come up
with a design which not merely works electronically, a relatively simple chore, but which
is acceptable to the beast, often far more difficult. However, marine mammals have one
notable advantage; they are large and the buoyancy of the hydrosphere makes package
*
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size and weight not so great a problem as for birds. The smallest marine mammal, seal or
whale, is about 400% larger than the largest flying bird when both are mature.
This summary will not treat the problems of reception (by boat, aircraft, land station, or
satellite), but will be restricted to the package itself. Package design. Packaging is the
greatest single problem in marine mammal telemetry. If size is not so critical, other
problems are: rugged construction (a 3-ton elephant seal may chose to lie on his package
on a rocky substrate), pressure (some marine mammals dive to over a mile and all dive in
excess of 100 meters, probably), neutral buoyancy (slightly negative is better for
flotation and retrieval), and shape as a hydrofoil. EM transmission means that antenna
placement and orientation are critical. This is not so difficult for porpoises which break
water in consistent and predictable fashion, but it is an unresolved problem for those,
such as pinnipeds, which lie in every conceivable position out of water. The total
package, including antenna, must be designed so as to interfere very little with basic
behavior or such instrumentation becomes self-defeating.
Data storage. Implicit in all packages is data storage, if only briefly. There are three
principle ways to do this: 1) by various electronic means, 2) digitally on film or tape, and
3) continuously on film or tape so that sounds made by the animal, for instance, are
recorded as analogues. Photographic and tape-recording techniques involve components
of relatively large size. The miniaturization of these components is as yet unsolved
satisfactorily. For instance, a tape recorder in the form of a minicasette which could
operate for a day and record sounds of from 100 to 10,000 cycles flat would solve many
of the problems we now face.
Desired data. These fall into four categories: 1) track of animal’s movements, 2)
behavioral/physiological correlates, 3) navigational/orientation correlates, and 4)
hydrological and oceanographic data. It is important that these data be recorded so that
they may be correlated. The purpose of telemetry is the recording of natural phenomena
with relation to the environment in which the animal swims. Multivariate analysis is
essential. The various components falling into these categories are listed below:
1. Track. 11-meter beacons have been used for detection of range and bearing and for
the detection of initiation and ‘ completion of dives. These beacons also act as homing
beacons for package retrieval. The range varies with power and with receiver altitude.
Ten miles is a minimum; 100 miles would be achieved by aircraft pickup. Satellites use
doppler and can track over much larger distances than these.
2. Temperature. Both water and animal temperature are desirable. Marine mammals
are closely keyed to their environmental temperature and studies of thermoregulation
require knowledge of both external and internal temperatures. External temperature can
be picked up by thermistors or thermocouples, but attachment of these detectors remains

a problem. Internal temperature requires either a deep probe or an EM endosonde which
transmits to the recording instrument package. If such an endosonde is placed in the
stomach, feeding behavior can be detected by a sudden drop in temperature. 3. Heart
rate. Various methods are available including animal-borne pressure changes, acoustic
detection, and alterations in a magnetic induction field. Data can be transmitted
internally or externally.
4. Swimming speed and/or pitch angle. Marine mammals swim at speeds of possibly
up to 25-30 knots, but mostly under 10 knots. A deflected-wand strain guage, protected
by a cowling, is one method. Speed can also be detected by.doppler shifts. Pitch angle
involves the use of a pendulum-potentiometer, but package orientation and attachment
on the animal are obviously critical.
5. Acoustic output. Since marine mammals are highly dependent upon sound for
orientation, food-finding and communication, it would be ideal to be able to record from
a telemetered animal. A major, unresolved problem is how to record from the subject
rather than from a nearby member of the same species screaming in its ear. In other
words, the problem is one of body-coupling of sounds. It also would be ideal to record
sounds as analogues which are subject to spectrographic analyses. This is not so easy as
the recording of sounds as events or with regard to their spectral content. It is the
requirement for analogue that determines the size, shape and complexity of the entire
package, in many instances.
6. Environmental components. Light level and spectral content, water temperature,
and salinity are the essential parameters for correlation with marine mammal behavior.
Bottom topography is no less essential, but may be derived if tracking is accomplished
and need not be a part of the package.
7. Real time. Though the package shuts off, in many cases, when the animal breaks
surface and used this time for transmittal, continuous real time (0000-2400 GMT) is an
obvious datum. The setting of an oscillator accomplishes this and establishes a
continuous check on tape speed, etc.
The telemetry of marine mammals thus may reveal features of their behavior. The value
of the data is not only intrinsic, but also relates to the management of a resourse of
worldwide value.

RADIOTELEMETRY FOR RESEARCH ON LARGE
LAND MAMMALS
H. K. Buechner
Office of Environmental Sciences
Smithsonian Institution

Summary The use of radiotelemetry for simultaneously monitoring physiological and
environmental parameters, while an animal is being tracked in its natural ecosystem,
provides new opportunities for increasing our knowledge about the larger land mammals
by the acquisition of new information on their migratory movements, social behavior,
bioenergetics, and physiological processes such as thermoregulation and water balance.
The perfection of satellite tracking and monitoring systems specifically designed for wild
animals, such as caribou and elephants, in remote areas of the Earth is feasible; and such
systems hold considerable promise in providing access to information that has been
exceptionally difficult to obtain in the past. Challenges in the development of practical
radiotelemetry systems include: light-weight, long-lasting sources of power; developing
systems that require little power; increasing the variety of implantable physiological
sensors; improving the resolution of locations (to 100 m or less) for tracking an animal
by satellite; improvement of antennas for greater efficiency in transmissions without
interfering with the animal’s activities; and interfacing implanted sensor-transmitters
with long-range transmitters on the animal’s surface. The perfection of systems for
attachment of instrument packages to polar bears, elephants, and other wild animals is
also demanding.
Introduction Radiotelemetry systems for the larger, free-roaming mammals have
recently become practical tools for research, as in the study of grizzly bears in
Yellowstone National Park by Craighead and Craighead (1971); and concurrently the
capturing and handling of most large mammals, including elephants, rhinoceros, and
polar bears, with immobilizing drugs has been perfected, largely through the efforts of
Harthoorn (1970). The main problems are now in the refinement of systems for locating
and monitoring animals by satellite, development of new sensors, and extending the
lifetime of systems beyond one year. In this paper some of the problems for investigation
are reviewed briefly, along with some of the requirements of equipment. Further
discussion of opportunities for research is given in another paper (Buechner, et al.,
1971).

Ecological problems Patterns of movement (daily, seasonal, migratory, nomadic) in
relationship to vegetation or prey animals as sources of food, weather conditions, the
availability of water, daily and seasonal requirements for cover, intraspecific behavior,
and human activities need to be determined more precisely for most species of the larger
mammals. The basic objectives are to determine the significance of movements in the
biology of the animal and to provide information for management purposes. Examples of
animals to be studied are: the caribou in Canada and Alaska, grizzly bears in U.S.
National Parks, the Alaskan brown bear, polar bears in the circumpolar region, elk and
mule deer in the western United States, the Saiga antelope in Russia, African elephants,
African antelopes (wildebeest, Thomson and Grant gazelles, topi, springbuck, hartebeest,
etc.), the sloth in Panama, the tiger in India and Nepal, and the vicuna in the Andes of
South America.
Home range and territory (the defended portion of the home range) need to be studied
more thoroughly with reference to social use of space (Calhoun, 1963; Eisenberg, 1966;
Brown and Orians, 1970) and the natural regulation of numbers (Wynne-Edwards,
1962). The extent of the home range and territory among predatory animals such as
wolves, lions, leopards, tigers, and cougars is especially important in terms of the
regulation of prey populations and effects of man’s cultural activities. Also, territoriality
seems to be manifested to some extent in human beings, and understanding this behavior
in other animals may contribute toward a better understanding of human behavior.
Energy-flow relationships between ungulates and vegetation as an ecosystem process
constitute an important area for investigation. For these studies measurements of the
individual animal’s rate of metabolism is required. Such measurements might be
determined by monitoring respiration rates in free-roaming deer and other animals
(McCullough, 1970). More meaningful measurements of metabolic rate can be made by
determining the differences in oxygen levels in the aorta as the blood leaves the heart
and in the vena cava as the blood returns to the heart. Such measurements are feasible,
but considerable ingenuity will be required in solving some difficult technological
problems in developing a practical system. Other data (such as movements, activity, food
selection, and differential use of habitat by the different sex and age classes in the
population) that are essential for studies of energy flow can be obtained more completely
with the aid of radiotelemetry than by traditional methods alone.
Predator-prey relationships in the natural regulation of numbers, population fluctuations,
and the genetic viability of prey populations can be studied intensively by using
radiotelemetry for surveillance of the predator’s activities (as in George B. Schaller’s
research on the African lion).
Behavioral problems Intraspecific studies of territorial, hierarchical dominancesubdominance, mother-young, group, mating, aggression, and other types of behavior in

relationship to evolution, spacing and its maintenance, numerical regulation, populations
as ecosystem processes, and significance in terms of human behavior (Etkin, 1964;
Marler and Hamilton, 1966; Hinde, 1970) can be enhanced through radiotelemetry.
Interspecific studies of predator-prey relationships, the suppressing effect of one
population on another as an ecosystem regulatory phenomenon (Calhoun, 1963), and the
use of food and space in relationship to niche structure of the ecosystem are important
areas for investigation. Radiotelemetry is useful for homing in on individual animals for
direct visual observations and for monitoring physiological responses to stimuli. A rise
in blood pressure, for example, was detected in a seemingly calm elephant when
confronted by an observer (Howard A. Baldwin, personal communication).
Physiological problems Thermoregulation, as in the camel (Schmidt-Nielsen, et al.,
1957) and other ungulates, including buffalo, giraffe, eland, oryx, hartebeest, and cattle
(Bligh and Harthoorn, 1965; McGinnis, 1970), is one of the most important areas of
physiological studies. Water balance needs to be investigated further in desert animals
(like the camel) that require water, semiarid ungulates (like the kudu) that use little
water, and those (like the gerenuk) that apparently use no free water at all and seem to
rely entirely on metabolic water. Circadian and other endogenous biological rhythms
(Enright, 1970); blood pressure responses, as in the wild giraffe (Van Citters, et al.,
1966); photoperiodic regulation of physiological processes, such as reproduction and
bird migration (Farner, 1955, 1961); and hypothermia in bears of various kinds
(Craighead, et al., 1971) are examples of other areas in which the technology of
radiotelemetry is valuable.
Requirements of equipment and environmental constraints Specific requirements
for different species of mammals will be available in a forthcoming review of user
requirements (Pascucci, Liskov, and Garvin, 1971).
Most studies so far have been conducted over relatively short periods of time, from a few
days up to 3-4 months. Longer studies of more than one year are required for polar bears,
caribou, and elephants. Low temperature (-40EC) as well as high temperatures (+40EC)
pose problems in battery performance and longevity. It would be advantageous to have
biogalvanic batteries that use body fluids as electrolytes for long periods of time without
toxicity to the animal from zinc, platinum, or other metals used in the system. Research
in the development of biogalvanic batteries shows some promise. Other biological
sources of power, such as the energy from muscular action in wing beats, may substitute
for batteries to operate electronic equipment. Solar panels performed extremely well as a
source of energy (Craighead, et al., 1971) in tracking an elk, and show considerable
promise for radiotelemetry systems for the larger land mammals. Changes in systems
concepts are needed to develop miniaturized systems that require little power, thereby

reducing the external and internal instrumentation to minimum weights for maximum
comfort and least interference with the animal’s activities.
Improved antennas are required for consistently high resolution (±1 km or less) of
locations in satellite tracking of animals. Systems are needed to maintain antenna
direction in relationship to receivers in satellite or ground systems. Like batteries,
antennas are a limiting factor in the development of practical radiotelemetry systems.
Excellent sensors are available for measuring body temperature, heart rate, blood
pressure, and other parameters of the body (Mackay, 1968). A wide variety of additional
sensors is needed to detect, for example: behavioral activities, motion of appendages,
individual distance, sound, levels of hormones in the blood stream, oxygen consumption,
radioactivity, and flow velocity. These sensors must function within the environment of
the body where they are implanted. The behavioral and physiological parameters that can
be sensed seem to be limitless, and many imaginative ideas for sensors are presented by
Mackay.
Implanted sensor-transmitters need to be integrated with electronic instrument packages
on the surface of the animal to provide for storage of data transmitted by the sensors, and
subsequent transmission to ground tations directly or via satellites. Such systems are
required for continuous or short-interval monitoring of physiological and behavioral
paraters from orbiting satellites, since two passes per day are insufficient or most studies.
Stationary satellites can provide data on a continuous eal-time basis, thus eliminating the
storage requirement but not the nterfacing of implanted sensors and long-range
transmitters.
Satellite systems As a means for obtaining data systematically at regular intervals,
independently of weather conditions, day or night, anywhere on the surface of the Earth
satellite systems are advantageous. The feasibility of satellite systems for tracking
animals has been demonstrated (Craighead, et al., 1971). A decade of research and
development is required to produce economical and efficient satellite systems
specifically designed for tracking and monitoring animals (Buechner, et al., 1971).
Known habits of large mammals Adequate information about the habits of most large
mammals is available for the initial design of electronic instrument packages and their
attachment to the animal, internally or externally, but there are difficult problems in
keeping a collar on a polar bear or elephant, meeting the rough treatment expected when
male antelopes fight in the defense of a territory, constructing light-weight packages, and
keeping antennas properly oriented. Testing of instruments is essential, first in
environmental chambers in the laboratory, then on animals in captivity, and finally on

the free-roaming animal in its natural environment where the experiment will be carried
out. One or two years of testing may be required for the development of reliable
equipment.
Conclusion Radiotelemetry offers new challenges and unusual opportunities for
delving more deeply into the behavior and physiology of the larger mammals in their
natural environments. Engineering developments are needed to develop practical systems
for biological investigation, ranging from implantable physiological sensors to satellite
tracking systems. The payoff in perfection of monitoring systems is likely to be
considerable, not only in terms of increasing biological knowledge but also in terms of
socially pertinent information in the management of the world ecosystem.
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SMALL ANIMAL TELEMETRY - AN OVERVIEW
STANLEY D. DAVIS
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The techniques of telemetering information from small animals is, in principle, no
different from that involving large animals. In practice, however, the limits imposed by
size and weight can be severe. It may be idle gossip to state that whatever one can do in a
small animal can be done in a large one, but the impracticality of always achieving the
reverse is gospel. Small animals come in all sizes and shapes so that generalizations are
difficult to make. There are small animals like dogs and rabbits and smaller ones like
mice, bats, lizards, grasshoppers and flys, and each may be a likely candidate for
telemetry. Although options are fewer as size gets smaller, it is inventive imagination
which has the last say in this matter.
There are many ways to think small, and microelectronics is one of them. Modern
integrated circuit technology seems to have no limit in its ability to reduce circuitry to a
mere fraction of its former self and would appear ideal for this purpose. It is,
nonetheless, an expensive technique and for practical purposes out of reach of the lone
researcher on a restricted budget who requires only a small number of devices. Miniature
discrete components and a deft soldering iron can often achieve the same end at a much
more reasonable cost. Circuit reduction alone, however, is not the only problem, and
efforts in this direction are easily dwarfed by other factors, such as bulky power sources,
massive packaging techniques and gigantic transducers.
Power sources have long been an area of concern in telemetry. Transmission life and
distance can be measured in power, and when the requirements are high, so is the bulk.
Pulsed and passive circuits, rechargeable batteries and biological power sources have
been the answer to some problems, but certainly not all. New types of circuitry await
development which will reduce to a minimum the necessary size contribution of this
component.
Packaging techniques for implant devices are in an archaic state. Synthetic resins, waxes
and other concoctions in common use are of questionable reliability, and transmitter
failure due to insufficient protection from body fluids is something all users of implanted
devices experience to one degree or another. Increased thickness may provide greater
protection, but the gamble is costly when size is critical. Characterization,

standardization and documentation of these materials is practically nonexistent in the
literature, and their use is based almost entirely on speculative hearsay. It is better to
know that a given material is unfit for a job than to have its failure jeopardize other
efforts. Certainly glasses, metals and ceramics are not receiving the attention they
deserve in this regard.
In appraising the problems of small animal telemetry it is difficult to ignore the lack of
miniaturized transducers. Beyond the relatively easy-to-monitor parameters of
temperature and bioelectric phenomena, there is little available for transducing flow,
pressure, gas tensions, ion concentrations, and the like which meet the size requirement
for small animal applications. Attempts to reduce standard transducers to a useable size
are not always successful, nor even desirable with respect to long term stability
requirements. The best answer appears to lie with imaginative engineering and the
development of new methods of transduction.
One important consideration remaining to be discussed is the cost of small animal
telemetry. All too often biologists underestimate the expense in time and money of using
this technique. Realistic appraisals are hard to come by and are seldom believed when
given. The unique nature of most applications means high development costs which,
when coupled to the expense of data handling and reduction equipment, can represent a
sizeable tab. J. P. Morgan’s admonition that “any man who has to ask about the annual
upkeep of a yacht cannot afford one” is reasonable advice to the telemetry shopping
biologist as well.
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Summary The wide signal bandwidth attainable with the 960 inch per second
longitudinal tape transport, combined with high density recording at about 20,000 bits
per inch provide a multichannel 20 Megabit/second recorder with a 64:1 time expansion
capability. The tape transport mechanism consists of two solid, flangeless tape packs
placed in direct contact with a large capstan. Stability of the tape movement is achieved
by use of a control system which provides instantaneousadjustment of the pack contact
forces as a function of direction, velocity, acceleration and pack diameter. This results in
full versatility when programming the transport motion. The high density digital signal is
phase encoded and processed through the recorder as an analog signal, then is
demodulated using a phase lock loop to recover the clock. The sample and hold phase
comparator controls a VCO at a fixed nominal frequency, followed by a divider. This
configuration permits operation at all bit frequencies in a 128:1 range and allows the
clock to coast through a 50 bit dropout without bit slip. Demonstrated bit error rate is
10-6 maximum.
Introduction High speed longitudinal tape recorders have attracted a lot of attention in
the lost few years. The difficulties inherent to a new technology have made the
introduction of these units to actual usage relatively slow. An earlier paper at this
conference in 19691 reported research work leading to an improved understanding of the
transport of tape according to the “Newell Principle”. In the period following, the full
product development of a 15 MHz analog recorder was completed. More recently, the
combination of high longitudinal tape speed with high density digital recording has led
to the multi-channel 20 Megabit/second digital recorder, subject of this paper.
General Description The digital recorder system is built around a high speed tape
transport operating at a nominal speed of 960 ips and lower speeds decreasing in octaves
down to 15 ips. The tape transport is equipped with magnetic heads permitting recording
or playback of four channels simultaneously, each channel with a bit frequency of
20 megabit per second, at the maximum speed, and a bit frequency of 312 kilobit per
1
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second at 15 ips. The system has a bit error rate of I bit per million maximum,
demonstrated while recording at any speed, and reproducing at, any other speed,
including the effects of interchange of the tape of one machine to another machine of the
same type.
The other principal characteristics of the high speed digital recorder are summarized
below:
TABLE I

The block diagram of the overall system is shown in Figure 1, and a photograph of the
actual equipment in Figure 2. The digital recorder system consists of a single rack which
includes the tape transport unit, the four-channel record and playback system, and the
four-channel digital modulator and demodulator.
Incoming digital information in the NRZ-L serial format, with separate clock, is encoded
as a single narrowband phase modulated signal per channel. This signal is impressed on
the tape by the direct recording method with a 60 MHz bias, in the some manner as for
an analog signal. Indeed, there is very little difference between the process of recording

high density digital information with a bit interval on the tape of 50 microinches, and
recording of analog data with a comparable wavelength. The oxide foyer on the tape
being on the order of 200 microinches, it is not possible to record short digital signals by
saturating the full depth of the oxide, as is done in the conventional digital recording
with a bit density of 800 or 1600 bits per inch. In high density digital recording, the
recorded signal has the form of a pseudosinusoidal carrier, the information appearing as
phase modulation of the carrier. To accurately retain the digital information contained in
the timing of the zero crossings of the carrier, the playback signal is processed through
equalizer filters exactly as for an analog signal, except that the equalizers are adjusted to
optimize the linearity of the phase response, rather than to obtain a maximally flat
amplitude response. The narrowband phase-modulated signal processed in this manner is
applied to the digital demodulator system where the clock is extracted to permit
detection of the phase modulation and reconstruction of the original NRZ-L format. The
digital demodulator circuit will be discussed in some detail in the second part of this
paper.
Tape Transport Unit The tape transport mechanism, shown in Figure 3, consists of
two flangeless tape packs placed in direct contact with a single large capstan. The
advantage of this transport system is that there is no free span of tape: the tape is carried
from the supply pack to the take-up pack while resting motionless relative to the capstan
surface. The magnetic heads being applied directly against the tape on the capstan,
intimate head-to-tape contact is maintained even at the highest speed. The theory of
stability of the tape movement in this system has been discussed in the earlier paper.1
The parameters affecting the stability of the tape path are summarized in Figure 4, where
the two tape packs are shown indenting the rubber tire of the capstan. The amount of
indentation and relative dimensions have been distorted for the sake of illustration. The
capstan motor imparts direction, speed and acceleration to the capstan surface. The tape
packs are mounted on swinging arms actuated by force motors to permit electrical
control of the contact force. Spindle brakes are placed on each tape pack to permit
dissipation of the kinetic energy during deceleration. The packs follow the motion of the
capstan because the radial force permits a tangential force to be carried through the
capstan-pack interface.
At constant speed, the tape can be made to rest in a stable manner against the capstan by
using the phenomenon of progression at the capstan-pack interfaces. The indentation of
the take-up pack is made larger-than the indentation of the supply pack in a prescribed
manner to obtain positive and negative progression respectively. The velocity enters into
the picture through an apparent hardening of the rubber, resulting from the reluctance of
the material to submit to rapid deformation. Each tape pack resists changes in velocity
because of its inertia, which changes with the pack diameter, so that acceleration and
deceleration must be taken into account to ensure that the extra tangential force at the
interface will not cause the tape pack to slip with respect to the capstan. Stability of the

system, under all circumstances, can be assured provided that the upper force, the lower
force and the braking torques are made to vary with the instantaneous conditions
according to Equations 0) through (4), below.

(1)

(2)
(3)
(4)

The upper arm is balanced with an adjustable counterweight with a full pack installed
while the lower arm is balanced with an empty hub. This ensures that the torque of both
force motors will always remain of the same polarity, eliminating chatter of the
mechanical linkages. Looking at Equation (1), it is seen that the first two terms represent
an automatic compensation for the change in weight of the upper pack as its diameter is
changing. Although the weight of the tape pack increases as the square of the pack
diameter, a linear weight compensation can be made exact both at maximum and
minimum diameter, and is found accurate enough at intermediate diameters.

The third term, fls of the equation, is a fixed value adjusted to just overcome the stiction
of the system. The central term in Equation (1) represents the normal running force, f0,
with a term
proportional to the absolute value of the velocity, to compensate for the
apparent variation in rubber hardness, and a term
to partially provide for the
acceleration or deceleration of the tape packs. The factor, (l + k4 . UP), provides an
automatic force differential such that a larger indentation of the rubber tire takes place at
the upper interface when the tape is moving upward.
The last term in Equation (1) provides a boost of the upper contact force only when
accelerating upward at the same time as passing tape in the upward direction. In this
situation, the tangential force transmitted from the capstan tends to unwind the tape from
the take-up pack. This is corrected with an increase in force, proportional to the inertia of
the upper pack. As was the case for the weight compensation, although theory would
require that the acceleration boost should vary with the third power of the diameter, a
linear compensation can be made to work by adjusting the coefficient K5 to obtain the
desired force at maximum diameter. The linear approximation then provides an excess of
force at intermediate diameters. Equation (2) can be interpreted in the same manner as
Equation (1).
Equations (3) and (4) are structured in such a way that the spindle broke is applied to a
tape pack only when it is a supply pack during deceleration. The reason that the kinetic
energy of the supply pack cannot be dissipated by a braking torque at the capstan, is that
with the large sized tape packs of this machine the tangential force in deceleration
creates positive tape progression at the supply interface which overwhelms the normal
negative progression which is necessary for tape stability. As in earlier cases, although
the braking torque should be proportional to the fourth power of the diameter, it has been
found that a linear approximation can be operated satisfactorily.
The force and broke conditions described in Equations (1) through (4) are automatically
implemented by a homeostatic control system illustrated on the right side of Figure 5.
Analog voltages representing instantaneous speed and acceleration are derived from the
output of a tachometer attached to the capstan motor. A logic level indicating absolute
direction is also derived from the tachometer. Potentiometers attached to the upper and
lower swing arms which support the tape packs provide a measurement of the pack
diameter. These five inputs are applied to a computer network which generates four
analog voltages to automatically adjust the contact forces and brake torques according to
Equations (1) through (4). The homeostatic control makes the tape transport selfregulating. The transport is operated merely by making the capstan rotate in the desired
direction at the desired speed. There is complete freedom in programming the motion of
the capstan as long as a maximum speed and a maximum acceleration corresponding to
saturation of the control system are not exceeded.

Capstan motion is controlled in a relatively straightforward manner summarized on the
left side of Figure 5. Local operator commands and remote commands (for instance, from
the associated computer) are combined with internal sensor outputs (end-of-tape, load
condition, head position, interlocks, etc.) to generate internal controls describing the
desired speed, direction and state of motion. These signals control the capstan servo
system, described in an earlier paper.2 The capstan servo is a phase-lock system which
adjusts the speed of the motor so that the output of the optical tachometer matches in
frequency and phase a selected submultiple of a crystal oscillator frequency. When
playing back a tape which carries the appropriate prerecorded pilot signal, the
tachometer output is replaced by the pilot signal from the tape so that tape motion, rather
than capstan motion, is now phase-locked to the crystal reference.
The high tape speed and associated large kinetic energy of the system make it necessary
to provide for an orderly shutdown in case of power failure or inadvertent turnoff while
the machine is running at high speed. The shutdown circuit relies on a nickel cadmium
battery which serves to maintain the supply voltages after external power has been
interrupted. The transport control remains in ful I operation unti I a complete stop is
reached, at which time the system turns itself off.
Signal System The four-channel analog signal system has been briefly described
earlier. The system is comparable to that encountered in most tape recorders, except that
the increased bandwidth extending to 15 MHz and higher frequency bias of 60 MHz,
require the use of radio frequency techniques in many places. As seen from the
input/output panel of the analog signal unit, the system is a four-channel 15 MHz
recorder. The digital signal system has required the development of special techniques,
both to achieve the high bit density of 20,000 bits per inch on the tape, and to permit
error free operation at all bit rates up to 20 megabit per second.
It should be helpful first, to review the considerations which led to the selection of the
narrowband phase-modulated code for this system. Figure 6 illustrates the most
commonly used schemes by which a digital message can be inscribed on a two-level
signal. The NRZ-L format represents a “0” by a low value, and represents a “1” by a high
value. The NRZ-M format represents a “1” by a transition between the two levels, “0” is
not encoded. Both formats have the same characteristics that the maximum fundamental
frequency is equal to half the bit frequency, and that the minimum frequency is DC. The
obvious disadvantage is that the wide spread of the bandwidth is difficult to handle in
magnetic tape recorders. An additional disadvantage is that the signal does not carry its
own clock. However, these formats would be very efficient in terms of bit density on the
tape because 2 bits can be encoded per cycle of the maximum frequency.
2
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The Manchester Phase-Modulated format builds the signal from a succession of single
cycles of a carrier at the bit frequency. A “0” is encoded as a cycle with zero phase, a “1”
is encoded as a cycle at 180E phase. A signal built of sinewaves is shown on the upper
line of figure 6d, a signal built of squarewaves according to the same rule is shown on
the lower line. This format has the characteristic that the maximum fundamental
frequency is equal to the bit frequency, and the minimum frequency is equal to half the
bit frequency. In addition, there is at least one transition associated with every bit period,
so that it is easy to recover the clock. The Frequency-Doubling format, which uses one
transition at each bit boundary and an additional transition in case of a “1”, has the same
advantages. Both formats, known as biphase, have the disadvantage that for the same
minimum wavelength recorded on the tape, only half the bit density of an NRZ format
would be achieved.
The narrowband phase-modulated code (NBPM) combines the advantages of both NRZ
and biphase. To build up the coded signal, one starts by creating a transition in the
middle of the bit period for every “1”, as in the NRZ-M format. Additional
Ilmeaningless” transitions are then inserted at all bit boundaries, excluding, however,
those extra transitions which would come closer than 1-bit period from any other
existing transition. In this manner, a signal is created where the maximum signal
frequency is equal to half the bit frequency, and the minimum signal frequency is onequarter of the bit frequency. The octave spread is the same as for a biphase code, but the
efficiency of tape usage is the same as obtainable with an NRZ code. There is at least
one transition every 2-bit period, so that it is not too difficult to recover the clock. Once
the clock is recovered, demodulation of the signal is simple: a transition in the middle of
a bit period means a “1”, transitions at the bit boundaries are discarded. There is,
however, an ambiguity in that two different messages can be decoded depending on what
set of transitions is deemed to be on the bit boundaries. The solution of this problem will
be shown below.
Implementation of a modulator circuit to convert NRZ-L into NBPM is a straightforward
design in high speed logic which need not be described here. The demodulator system,
on the other hand, presents many interesting problems. Refer to the block diagram of
Figure 7. The demodulator receives the NBPM signal from the analog playback circuit.
The signal has the appearance of Figure 6f, except that all harmonics which make the
sharp edges of the squarewaves are removed by the bandwidth limitation of the
recording system. At 20 megabit per second the spectrum of the NBPM signal extends to
an upper frequency somewhat higher than 10 MHz because of the sidebands generated
by the random nature of the message. The signal is passed through the 15 MHz
bandwidth of the recorder except that the upper frequency cutoff is Founded to improve
phase linearity. The analog signal is applied to a limiter and transition detector circuit
which generates 25 nanosecond pulses at every zero crossing regardless of polarity and
bit rate. These transition pulses occur randomly except that the instant of occurence is

one of a set of potential instants at twice bit rate. The demodulator includes a phase-lock
system which regenerates a clock at twice bit frequency in such a way that transition
pulses, when they occur fall in the middle of the period. A sampling phase comparator
using a linear sawtooth was developed to obtain a DC voltage proportional to the phase
error. The advantage of such a comparator is that it provides maximum dynamic range
for lock-on and for tracking the signal in noisy condition; in addition, the phase lock
servo can be made independent of frequency and can be made to coast through signal
dropouts. The phase lock system is shown on the bottom part of Figure 7, and
waveshapes corresponding to 20 megabit per second operation are shown on Figure 8.
The voltage controlled oscillator (VCO) is nominally operated at 40 MHz however, it
can be manually tuned down over a minimum 2:1 range if bit frequencies other than
submultiples of 20 megabit per second are used. The output of the 40 MHz VCO is
applied to a digital divider to generate a squarewave clock at twice the expected bit
frequency. The divider ratio can be selected between 1 and 64 with the appropriate logic
levels on the control lines. The squarewave clock is used to trigger a sawtooth generator,
with the slope of the ramp controlled with an automatic gain control circuit which
provides a sawtooth of constant peak-to-peak amplitude, symmetrical with respect to
ground, regardless of the clock frequency. The constant amplitude sawtooth, in turn,
assures constant gain in the servo loop regardless of the bit frequency selected. A twostage sample-and-hold circuit is used to permit full updating of the phase error at every
sampling cycle, even at the highest bit frequency. In absence of a transition pulse, the
voltage at capacitor C1 follows the sawtooth, while the voltage at capacitor C2 remains
at a constant level previously established. During the 25 nanosecond transition pulse,
capacitor C1 is disconnected from the ramp and its voltage remains constant for the
duration of the pulse. This voltage is transferred to a second sampling switch (through a
buffer not shown on the diagram) where it is applied to C2 for the duration of the
sample. The loop filter has one pole and one zero at 66 and 2000 rad/sec respectively.
The transient response characteristics of this servo loop are constant regardless of the bit
frequency provided that the bit period is taken as the unit of time. In other words, the
speed of response of the phase-lock loop automatically matches the selected bit
frequency.
Although the period of the sawtooth at the maximum bit frequency is equal to 25
nanoseconds, it has been possible to use a 25 nanosecond sampling time because of the
nature of the NBPM code for which the system is designed. Line b of Figure 8 illustrates
the fact that after one sampling pulse has occured the next sampling pulse can only occur
in three possible positions corresponding to a delay of 50, 75 or 100 nanoseconds. There
is always a mimimum deadtime of 25 nanoseconds between the end of the first sampling
pulse and the beginning of the earliest next one. This permits extending the sampling
time for one entire period of the sawtooth, even allowing for one half-period phase error.
Note that as the sawtooth frequency is decreased, the 25 nanosecond sampling time is

retained, so that the waveshapes at the low bit frequencies look like those of a
conventional sampling system.
The demodulator proper uses two clocks at 180E from each other. These are obtained
from the clock at twice the bit frequency in the phase-lock loop, using a divider of 2.
Two identical demodulator circuits are used, each of them consisting of a strobe to
isolate the signal transitions which coincide with the particular clock, followed by a 3-bit
shift register. The output of the shift register is an NRZ-L waveshape which potentially
is the desired signal. The shift register is used to examine successive groups of three bits.
The nature of the NBPM code is such that 101 transitions are found only on the
legitimate data stream. The pattern 101 never occurs on the data stream generated with
the wrong clock phase. The signal showing recognition of a 101 is used to set a gate to
select the correct data stream. The actual circuit is somewhat more intricate than might
appear from Figure 7 because of the need to provide for equalization of transmission
delays on the various signal paths. The output data is resynchronized using one of the
two clock phases and is delivered along with the clock.
One of the distinct advantages of the clock recovery scheme described above is its ability
to coast through signal dropouts without losing coherency of the clock. The bad data
detector is a threshold circuit which inhibits the sampling process in the phase-lock loop
whenever the recovered signal falls below a predetermined level. The bad data detector
includes digital delay of a few bits and a synchronizing circuit to always interrupt the
sampling at the center of the sawtooth. The clock coasts at a constant frequency without
change of phase for the duration of the questionable data. The demodulation process,
however, continues normally. Experience has shown that this is the best strategy,
because the phase error introduced in the signal by the low signal-to-noise ratio during
the dropout, is not compounded by random drift of the clock. In addition, in case of total
dropout, the system has a high probability of being exactly in step with the signal as soon
as the latter reappears, thereby eliminating the lock-on delay. More important, if the
system is operated in conjunction with a data demultiplexer, the external system can
keep in step and resume correct demultiplexing at the end of the dropout without losing
the rest of the data block. Coasting for a minimum of 50 bits without bit slip is a
requirement of the equipment, the actual coasting time is about 100 to 200 bits.

Fig. 1 - Overall Block Diagram, High Density Digital Recorder

Fig. 2 - Digital Recorder System ADR-2015

Fig. 3 - Front View of Tape Transport Unit

Fig. 4 - Basic Concept of the Tape Transport

Fig. 6 - Summary of Digital Formats

Fig. 7 -Block Diagram, Digital Demodulator

Fig. 8 - Phase Comparator Waveshapes at 20 Megabit/sec

HIGH DENSITY DIGITAL RECORDING WITH VIDEO
TECHNIQUES*
D. CURTIS and J. ROLFE
International Video Corporation
Sunnyvale, California

Summary A digital recorder which writes or reads digital data at 8 megabits per
second and has a storage capacity of 84 billion bits per reel of tape is described. The
packing density is in excess of I million bits per square inch on conventional one-inch
magnetic tape. The high packing density and transfer rate was achieved through the
combination of phase-encoded digital electronics with a helical scan video transport. The
use of the helical scan technique permitted extremely efficient utilization of the tape and
permitted inclusion of other features, such as high-speed search (400 ips), individually
addressable records, and self-threading and cartridge-loading capability.
Introduction The development of a sophisticated document storage and retrieval
system necessitated the use of a mass digital memory capable of storing large amounts of
digital data with an extremely fast transfer rate in both read and write modes.
Current recorder technology in the computer industry is 1600 bits per inch on 9 tracks of
one-half inch tape, yielding a packing density of approximately 28,000 bits per square
inch of tape with a transfer rate of approximately 1,400,000 bits per second. The systems
requirement for the document storage and retrieval system was a magnetic tape unit with
a packing density of at least 1 million bits per square inch of tape and with a transfer rate
of 8 megabits per second in both read and write modes.
Special-purpose longitudinal transports have increased packing densities up to 500,000
bits per square inch utilizing 20,000 bits per linear inch per track and with up to 28
tracks on one-inch tape. However, it was not felt that extending the longitudinal
approach to accommodate the packing density, the required record time, or to achieve the
on-line reliability, was feasible in the longitudinal technique. The helical scan video
recorder had, over the years, proven reliable in the handling of wideband analog data and
in achieving long record times on single reels of tape. A helical recorder can provide a
three-hour record time for a recorded bandwidth of up to 5 megacycles. Therefore, a
*
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development program was launched to utilize the wideband capability of the video
recorder with high-density digital electronics.
This paper describes the development of a helical scan digital recorder and covers the
technical details of the transport design, signal electronics, control logic, and other
pertinent features.
System Considerations The helical scan recorder was selected over the longitudinal
technique because of the following considerations:
Simplicity--The helical scanner has a relative head-to-tape speed of 723 ips. Therefore,
an 8 megabit data stream can be handled on one data channel without the necessity of
splitting up the data into parallel tracks to accommodate a slower relative head-to-tape
speed. Using only one data channel, the requirement for multiple channels of read and
write electronics, along with the associated input and output buffering system and other
support electronics, could be eliminated. A major advantage accruing to the helical
technique is the simplicity of the data read/write head. In order to even approach the
writing capability of the helical digital recorder, a longitudinal recorder would have to
employ a 28-track, narrow-gap head stack, which is expensive, prone to be troublesome
in an on-line operation because of tape contaminations and head wear patterns (causing
one or more tracks to lose intimate head-to-tape contact), and the expense and
complexity of replacement. The helical scan technique employs one ferrite head which
historically has lasted well in excess of 2,000 operational hours and can be replaced in
the field in less than one minute at a cost of approximately $300.
Efficiency--The greatest advantage enjoyed by the helical scan approach, when
compared to other drive techniques, is its efficiency of tape utilization. The IVC video
recording format employs a 6-mil head recording scan tracks on 9.5 mil centers. Since
the helical head goes completely across the tape, the helical scan recorder can achieve in
excess of I million bits per square inch of tape while not exceeding a recording density
of 11,000 bits per linear inch on the individual scan tracks. This density, combined with
the superior helical 7 scan head-to-tape contact, allows an error rate of less than 1 in 107
to be directly achieved without recording redundancy or error correction codes.
Capability--A prime goal was the ability to search large volumes of data at high rates.
The helical scan technique allows a recording of an 8 megabit data stream at a lineal tape
speed of 6.91 ips (the relative head-to-tape speed is 723 ips). In the search mode,
however, the longitudinal tape speed is increased up to 400 ips, and individual data
records can be addressed and located at very high speeds. The rate of the data search at
400 ips exceeds 400 million bits per second.

Another unique capability is to address, locate, and rewrite individual scan lines without
disturbing the data on either side of the rewritten scan line.
Mechanical Design In terms of tape speed, rotational velocity of the scanner, tape
geometry, and reel size, the digital helical scan recorder is identical to the standard video
model; however, the handling of digital data and the implementation of cartridge selfthreading capability imposes additional requirements which necessitated major changes
in the control logic, tape reeling servoes, and tape path.
Tape Handling The transport is designed to accept a tape cartridge which comprises a
standard one-inch wide, 12-1/2" reel, a stiff leader, and a plastic outer housing to protect
the tape against contaminants, critical in the protection of the high-density digital
recorded data.
The tape path is shown schematically in Figure I. Following the tape path, as the tape
moves in the forward direction, the tape is spooled from the fixed reel into the tension
sensing assembly. The tension sensing assembly consists of two fixed-position rotating
guides, and a third rotating guide mounted on the end of a short low-inertia arm. Tape
tension is set by a very low rate spring (essentially a constant-force spring), which
maintains a constant tape tension on the fixed reel side of the machine. The position of
this arm is sensed optically by a lamp and photo transistors. Its position is controlled by
the fixed reel motor.
The tape then passes through a tape sensing block. This block senses a reflective strip on
the polyester side of the tape indicating the “beginning” of the tape. This prevents the
tape from unthreading from the fixed reel. This block also includes a broken tape sensor
and tells the tape self-threading logic that the tape has passed through the scanner and
capstan pinch roller assembly.
After passing over the fixed heads, the tape enters the scanner assembly, which contains
the rotating heads that read and write scan track data. The tape then goes around the
scanner in a spiral helical wrap, forming the Greek letter “ %”.
The tape, moving in the forward direction, next passes another sensing block, which
senses the “end-of-tape” marker and broken tape.
The tape passes through another tension sensing assembly before entering the cartridge.
The tension sensing assembly on the tape cartridge side of the machine is almost
identical to the assembly on the fixed reel side of the machine. The only difference is that
in the forward read mode or write mode, it maintains the tape at a higher tape tension
than the fixed reel tension assembly to overcome friction losses by the tape in the
scanner assembly.

In the Forward Search mode, the tension sensing arm on the tape cartridge side of the
machine is locked in a fixed position, and the tape cartridge reel motor is used to control
the tape speed.
In the Reverse Search mode, the functions of the tape, cartridge and the fixed reel are
interchanged. The fixed reel motor determines the tape velocity, and the tape cartridge
furnishes hold-back tension.
The discrete command functions available on the recorder are as follows:
Logic Commands Load (thread tape) A tape cartridge is installed on the machine.
When the Load command is given, the tape is automatically threaded through the tape
path. After completing the load operation, the recorder is ready to accept the next tape
motion command, which will normally be a Reverse Search command to rewind the tape
to the beginning.
Reverse Search and Forward Search In these modes, the tape moves at high speed
in either the forward or reverse direction, with a maximum search speed of 400 ips. In a
typical system, address information is recorded on the longitudinal tracks for identifying
the location of the high-density digital data. The addresses containing identification data
are numerically ordered. During a typical search sequence, the tape controller keeps
count of the difference between the ordered address corresponding to the tape position
and the ordered address corresponding to the location of the requested data on the tape.
Using this information, the controller commands the tape to run at the maximum search
speed of 400 ips until the difference between present and requested address changes
below a preselected minimum, at which point the tape is caused to decelerate on a
controlled profile so as to arrive at the requested address in minimum time. The
acceleration and deceleration that the tape experiences are constant and are determined
by internal control circuitry. To insure long tape lif, the acceleration is set in the range of
200/in sec2 (0.52g) to 240/in sec2 (0.62g). The time required to accelerate the tape from a
stopped condition to the maximum search speed of 400 ips is 1.7 seconds for a preset
acceleration of 240/in sec2. The time required to decelerate along a controlled trajectory
is approximately 2.7 sec. The controlled profile deceleration time is longer because of
the necessity to control the tape speed at each intermediate Search speed to be sure of
cueing the tape to the proper data location.
Read or Write All reading and writing of data is done at 6.91 ips longitudinal tape
speed. The input and the output data rate is 8 megabits per second.
Electrical Design A discussion of the recorded tape format will be helpful in
understanding the recording of the digital data and the address and control tracks.

The helical scan recorder offers the advantage of being able to space share the same
portion of magnetic tape between the address and the data tracks without crosstalk or
interference if the wavelengths involved on the address tracks are different by an order
of magnitude from those on the data track, and if the data track’s longest wavelength to
be recorded does not fully penetrate the oxide coating. In the helical scan digital
recorder, the address track information is recorded longitudinally at a digital density of
600 bits per inch, which produces a shortest fundamental wavelength on tape of 3.3 mils.
The scan track data information is recorded at 11,000 bits per inch, which produces a
maximum wavelength on tape of 364 microinches.
Using the spacing and thickness loss formula developed by R. L. Wallace, Jr., of the Bell
Systems**, the scan track data information will penetrate the tape oxide to a maximum
effective depth of approximately 56 microinches, giving a 3-1/2 db loss of address track
information through erasure, and a loss of an additional 1 db due to effective spacing of
the address track information from the address read head. In practice, a 6 db loss in
address track output is experienced, the additional 1-1/2 db being due to complete
erasure of the surface high-frequency transition information in the 600-bit per inch
address data.
Tape Geometry The tape geometry of the overwriting process of the address and data
tracks is shown in Figure II. The helical scan digital recorder has five longitudinal tracks
which are recorded on tape prior to the scan data track information. Each of these tracks
is 44 mils wide and spaced on 140 mil centers. The number of longitudinal tracks could
be increased to 14 if the need should arise for additional low-density digital information
without sacrificing the present address system error rate performance of 1 error in 109
bits.
The track nearest the edge of the tape is the status or update track, providing the
capability to be rewritten at any time to allow the address information to be current after
editing any of the scan data tracks. Data on all address tracks are in NRZI format.
The second track is the clock track, which is common NRZI clock for both the
permanent address and the status address information. The third track is the permanent
address track, which identifies individual data tracks or block of data tracks, depending
upon the system usage.
The fourth track is a control track which contains pulses written at a 60 Hz rate to allow
synchronization and registration of the scan head with the scan data tracks during the
read process. The fifth track is a spare track in the present application.
**
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The helical wrap of the tape around the head scanner assembly causes the data tracks to
be written on tape at a 4.75E angle, as noted in Figure II. Each data track is 6 mils wide.
They are separated by a 3 -1/2 mil guardband and are spaced on 9.5 mil centers.
High Density Digital Data on Scan Tracks Figure ITT is a timing diagram of the
scan digital data tracks to allow writing and reading high density digital information on
the helical scan recorder. The helical scan rotary head is synchronized to a 60 Hz source.
This synchronization process causes the rotary head to make exactly one pass across the
tape diagonally per 60 Hz cycle and thereby maintains the relationship of the rotary head
with reference to the edge of the tape itself. All signals must be synchronized with the
same 60 Hz source to properly write digital data on a scan track. A Prepare To Write
Video Data signal must become true 6 to 10 milliseconds prior to the 60 Hz sync point at
which writing will commence in order for the Read/Write head to be switched to the
write electronics before writing current commences. This timing allows the scan erase
head to fully erase the track to be recorded, as the scan erase head precedes the
Read/Write by 120E, or one-third of a scan line. It will be noted in the timing diagram
that the scan erase signal becomes true approximately 2.9 milliseconds after the fall of
the 60 Hz square wave, which indicates the middle of a scan period and will go low,
terminating erase during the final third of the scan time for which the Prepare To Write
Video signal goes false at the midpoint. This prevents the scan erase head from erasing
into the next scan track, which may be occupied by an earlier recording.
The 8. 1 MHz data clock signal must commence as soon as the 60 Hz sync time for the
scan track to be written and must continue as long as high-density digital information is
to be written. Refer to the timing diagram, line labeled “Write Mode Data Track”. The
encoded digital data commences 411 microseconds after the 60 Hz sync point with a
preamble portion, followed by a block of digital encoded data, in turn followed by a
postamble prior to the subsequent 60 Hz sync which will repeat the sequence if Prepare
To Write Video is still true.
Near the end of the preamble portion, the Send Video Data line from the recorder will
fall, indicating to the data source that the digital data should be sent to correspond with
the data clock being continuously transmitted. The Send Video Data pulse is generated
from the shift register which produces the unique end-of-preamble code. By selecting
different tap locations on this shift register, it is possible to vary the timing of the Send
Video Data pulse in half-bit increments of the 8.1 MHz clock period. In this way,
variations in cable delay from system to system may be eliminated from affecting system
operation and from causing loss of synchronization of the internally generated preamble
and the external data stream.
The timing relationships discussed give rise to a pattern on tape such as shown in Figure
II for a typical scan track. It will be noted that the 1.011 millisecond preamble begins

while the scan head is passing over the status or update address track area of the tape.
This portion at the beginning of the scan track will be completely erased if the status
track is updated; therefore, there must be sufficient preamble remaining on tape after the
status track area to enable synchronization of the playback decode with the tape data
prior to encountering data. This is accomplished by the second half of the preamble,
which always lies on the tape at a distance sufficient from the status track to not be
erased during status track update.
A postamble is written during the final 495 microsecond period, where the reproduced
data level will decrease as the track nears the very edge of the tape and playback
performance is degraded
The preamble and the Postamble, therefore, buffer the data portion from the edges of the
tape, where marginal reproduce performance is encountered, causing only the strongest
data signal portion to be used for data recording.
Digital Data Encode Process The digital level information and 8.1 MHz clock are
combined into a phase-encoded signal utilizing a phase-encoded technique in which a
transition occurs in the middle of each bit cell containing a ONE and between adjacent
bit cells containing ZEROS.
Digital Data Decoder The digital decode scheme to convert the phase-encoded
information back into digital level and clock information in its original form consists of
an internal clock which is phase-locked to the read head output and allows the digital
data to be read directly from the tape output. The voltage slope of the waveform in the
first half of a digital time period is compared with the waveform slope in the second half
of the time period. If the slopes are different, the output is interpreted as a “1”, or if they
are the same, as a “0”. Playback peaks are detected and provided to synchronize an
internal VCO clock. This internal VCO clock is then directed to the slope comparison
circuit. The decoder achieves proper clock phase synchronization with the preamble on
tape at the beginning of each data scan track.
Address Track Timing The longitudinal tracks are activated 4-1/2 milliseconds before
the 60 cycle sync pulse, which begins a data block of scan lines. The longitudinal write
amplifiers are turned off one millisecond prior to the 60 Hz sync pulse which terminates
the last scan line of the final block to be written. In addition, even parity is maintained on
both the clock and the permanent and status address tracks, and write amplifiers are
always initialized to saturate the tape in the same manner at the beginning of each write
command. No errors are generated as a result of adding blocks of data to an existing
partially written tape. This timing overlap relationship is satisfactory for the present
system, which utilizes blocks of 13 scan lines for an addressable data file. Should it be

desirable to address individual scan lines, the overlap time period would necessarily be
reduced to minimize the loss of the 69 bits geometrically available per scan track.
Address Track Encoding and Decoding The input data for the permanent address
and status address tracks is in the form of standard digital level and clock. These data are
converted to NRZI for recording on the permanent address and status address tracks. The
clock information, which is common for both tracks, is recorded on the clock track
wherein a flux transition occurs for each digital bit recorded on the permanent address of
status address tracks.
A unique feature of the decoding process is the circuitry which determines the presence
of peaks in the read head output which has a variable reference level related to tape
speed to allow a constant percentage clipping level of the peaks during search velocity
ramps. Address information may, therefore, be read error-free any time the tape is in
motion at a speed above 3 inches per second, during acceleration, search at any speed,
and during deceleration. This ability to read address information accurately during all
search conditions allows one to target very accurately to a particular record if the address
information contains ordering numeral data for each data block on tape.
Conclusion Utilization of helical scan technology, in combination with new digital
electronics, has dramatically advanced the state-ofthe-art for digital magnetic tape
recorders in terms of digital data rates and packing density. 84 billion digital bits of data
per reel of tape allows an extremely large amount of data storage on-line. The transfer
rate of 8 million bits per second can drastically cut the utilization time of the computer
and will permit a much faster processing of data. Self threading and cartridge loading
minimizes human error and will give longer tape life with fewer record errors. In some
situations, the new capability will mean that a change can be made from analog data
collection to digital techniques. Larger on-line libraries will now be possible. Very high
data rate transfer between two communication points is now feasible. Certainly the
Systems Engineer can now expand his thinking in terms of the manipulation of data and
its management. The helical scan digital recorder will permit magnetic tape to maintain
its competitive edge over other digital storage media in terms of flexibility, simplicity,
and cost.
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Summary This paper describes the results obtained with several new techniques which
are being used to extend the frequency bandwidth limits and the signal to noise ratios of
instrumentation magnetic tape record/ reproduce systems. During the past decade,
wideband magnetic tape information recording densities have advanced in several stages
to the currently used 60 to 80 micro inch wavelengths. The new techniques described in
this paper now make it practical to record and reproduce wavelengths in the order of 30
to 40 micro inches. This results in a frequency bandwidth of 1.0 MHz at a tape speed of
30 inches per second. In comparison with present wideband systems this means an
improvement of 2X in bandwidth, or a reduction of tape speed by one half is now
possible while maintaining approximately 20 dB broadband signal to noise ratio with a
track width of .025 inches. This width provides 28 tracks per inch of tape width.
This improved performance has been obtained by combining recent improvements in
“High Energy” tape, narrow gap ferrite record heads and ferrite reproduce heads. Using a
systems approach, electronic signal processing circuits have been developed which
coordinate these improvements in tape and heads, resulting in optimized “high
performance” record/ reproduce systems.
Introduction The performance of wideband analog instrumentation record/ reproduce
systems has seen several stages of improvement over the past years. Improvements in
recording tapes, record/reproduce heads, and electronics developments have each made
possible advances in bandwidth and signal to noise ratio. This paper describes results
obtained by combining performance features which have recently become available in
ferrite heads and “High Energy” tape. New electronics techniques are used in a systems
approach to coordinate and optimize the over-all performance. The result is an extension
of 2X in bandwidth, or a reduction of tape speed by one half, while maintaining
approximately 20 dB signal to noise ratio with a track width of .025 inches.
Improvements in Magnetic Tape With the goal in mind of doubling the recorded
information density on magnetic tape, new and improved techniques were needed to

make practical the advancement from the currently used 60 to 80 micro-inch
wavelengths to wavelengths in the order of 30 to 40 micro-inches. If the geometrical
relationships between the head/tape interface and recorded wavelength are to be
maintained, it appears that the dimensions of the key magnetic elements should be scaled
down in proportion to the reduced recorded wavelengths. These magnetic elements
include record and reproduce head gaps, head to tape spacing (due to surface roughness),
magnetic tape coating thickness, etc. Azimuth tolerance is maintained by reducing the
track width from .050 inch to .025 inch.
The first way in which it is possible to obtain increased recorded information density is
with the use of new high performance tape. Data for this paper was taken with 3M
Company type 971 “High Energy” tape.
Figure #1 is a comparison between the reproduced signal levels from 3M888 tape and
3M971 “High Energy” tape. These two frequency response curves were taken from the
reproduce preamplifier output of an unmodified, wideband, record/reproduce system at a
tape speed of 30 ips. Figure #1 shows that, without any modifications, improved signal
levels at all frequencies are obtained with “High Energy” tape as compared with 3M888
tape. There is very little difference in reproduced noise levels between these two tapes.
The improvement in signal levels is the most pronounced at high frequencies (short
wavelengths). At the upper band edge frequency of 500 KHz, an improvement of
approximately 8 dB is obtained with an unmodified Record/Reproduce system. This
frequency corresponds to a recorded wavelength of approximately 60 micro-inches.
Improvements in Record Heads Figure #2 shows the improvements obtainable in
short wavelength recorded signal level by the use of a narrow record head gap. An
extensive series of studies was made of the effect of record gap dimensions upon
recorded signal levels as a function of frequency and wavelength. These studies showed
that a wide record gap will record higher signal levels at long wavelengths at the expense
of somewhat less recorded level at short wavelength. If most of the noise is at the low
frequency end of the pass band, a wide record gap will produce the best wideband signal
to noise ratio.
On the other hand, if the major limitation on signal to noise ratio is at high frequencies
(short wavelengths), a narrow gap record head will impress greater high frequency (short
wavelength) levels on the tape at the expense of somewhat less low frequency level.
In figure 2, typical curves are shown of the unequalized reproduce preamplifier output
from recordings made with 200 micro-inch and with 40 micro-inch gap metal record
heads. All other system parameters are held constant for these two curves. Record head
currents and pre-emphasis are adjusted, in each case, in accordance with IRIG 106-69
procedures. It is seen from these curves that the 200 micro-inch gap records

approximately one dB more signal level on the tape at long wavelengths. The 40 microinch gap records approximately three to four dB more signal level on the tape at short
wavelengths. Intermediate record gaps, between these two extremes, have intermediate
frequency distributions of recorded signal level.
In extending the recorded frequency bandwidth, from 500 KHz to 1000 KHz, at a tape
speed of 30 inches per second, a limitation on signal to noise ratio is the signal amplitude
which can be recorded and reproduced at short wavelengths. In order to optimize the
short wavelength response, ferrite record and reproduce heads with extremely narrow
gaps have been developed.
One problem which arises in using very narrow record gaps is that more high frequency
bias power is required than is needed for wider record head gaps. In the above example,
approximately twice as much bias current is required for the 40 micro-inch gap as is
required for the 200 micro-inch gap. This is about four times as much bias power for the
narrow record gap as for the wide record gap.
Ferrite Heads When it is considered that the new “High Energy” tapes require more
bias power than does 3M888 tape, the use of narrow gap metal record heads with “High
Energy” tapes may present a limitation in available bias power and in heating of the
record head structure. This problem is avoided when ferrite record heads are used. One
of the advantages of ferrite record heads is that ferrite magnetic circuit losses are
considerably less than are the magnetic circuit losses of metal heads at bias frequencies.
Therefore, much less bias power is required to bias ferrite record heads, even with “High
Energy” tape, than is required to bias metal record heads.
Ferrite heads not only have the advantages of much lower magnetic circuit losses, but
have better wear characteristics than do metal heads. Low losses mean that less record
power is needed and more reproduce signal level is obtainable, either with conventional
instrumentation tape or with “High Energy” tape.
At the present time, Mincom is manufacturing “High Performance” ferrite heads for our
wide-band instrumentation record/reproduce system. With a bandwidth of 2.0 MHz at
120 inches per second, the shortest recorded wavelength for these systems is
approximately 60 micro-inches. The optimum record head gap for these wavelengths has
been found to be approximately 80 micro-inches. In this investigation, the goal is to
achieve a record/ reproduce bandwidth of 1.0 MHz at a tape speed of 30 inches per
second. This requires a recorded wavelenth of approximately 30 micro-inches on the
magnetic tape. Experimental record heads for this study were made with 80 micro-inch
gaps and also with 40 micro-inch gaps. Tests results to date indicate that slightly better
short wavelength performance may be obtained in this application with a 40 micro-inch
record head gap.

Improvements in Reproduce Heads In Wideband Instrumentation Record/
Reproduce systems with minimum wavelengths of approximately 60 microinches, the
optimum reproduce head gap has been found to be in the order of 27 micro-inches. If the
dimensions of the recorded wavelengths are reduced, the head/tape interface dimensions
should be reduced in proportion. When tolerances and effective gap width effects were
considered, it was decided to build the ferrite reproduce heads, for the 30 micro-inch
wavelengths of this project, with a nominal gap width of 11 micro-inches.
Delay distortion is reduced with these ferrite heads, both in the recording and in the
reproducing processes. Less record pre-emphasis is required, thus less phase shift is
produced by the record head driver circuits. Less high frequency “roll-off” occurs in the
reproduced signal at the pre-amplifier output, therefore less delay distortion is generated
by the reproduce equalizer.
The fact that ferrite is an extremely hard, long wearing material means that there should
be very little change in Record/Reproduce head properties with time. Gap length and
depth can be optimized at the time of manufacture without the allowances for
dimensional changes (and magnetic properties) occuring in metal heads with wear.
Record and reproduce head innerface, for example, can be more nearly optimized if the
allowances needed for wear are reduced by the use of ferrite.
The reproduce head output level at all frequencies is increased by raising the impedance
of the reproduce head winding. maximum head impedance in the critical high frequency
region is obtained when the head winding is resonant at the upper band edge frequency
with head wiring and preamplifier input capacitance. Maximum reproduce head
impedance and output level is obtained at lower frequencies with the maximum possible
number of turns in the reproduce head winding. Preamplifier input capacitance has been
reduced for optimum performance with these high impedance reproduce heads.
Figure 3 shows a comparison between the performance of a 2000 ohm ferrite reproduce
head and of a 5000 ohm ferrite reproduce head. It is seen on these curves that both heads
have approximately the same frequency response. The 5000 ohm head has approximately
3 dB more output level than does the 2000 ohm head. The mid-band tape noise is
approximately 2 dB higher with the 5000 ohm head than with the 2000 ohm head. Noise
at the upper and lower portions of the passband is approximately the same with either
reproduce head impedance.
Head/Tape System Considerations We have described above, the performance
improvements which are possible in the three areas of “High Energy” tape, narrow gap
ferrite record heads, and “High Impedance/Narrow Gap” reproduce heads. The next step
in the application of these three improvements is to combine them into a Record/

Reproduce System in such a way as to gain the maximum performance in an optimized
system.
In Figure 4 are plotted three curves of slot signal-to-noise ratio, showing improvements
obtained in Mincom ’s “High Performance” record/ reproduce system. The lower curve
is the signal-to-noise ratio of an unmodified 2.0 MHz record/reproduce system using
metal heads and 3M888 tape at 120 ips. The second curve shows the slot signal-to-noise
ratio of this system when ferrite record and reproduce heads are used in place of the
metal heads. Approximately 11 dB improvement is a result of the use of a narrower
record gap (80 micro-inches) and a high impedance, high Q, ferrite reproduce head.
When 3M971 “High Energy” tape is used with these ferrite heads, an additional
improvement in signal-to-noise ratio at 2.0 MHz results as shown in the upper curve.
System Linearity Figure 5 (A) shows a typical transfer characteristic with metal heads
and 3M888 tape. By the use of narrow gap ferrite heads and “High Energy” tape, in
curve 5 (B), we have extended the available dynamic range by more than six dB.
Referring to Figure 6, there are four curves of the Record/Reproduce System “transfer
characteristic” at four different frequencies. In these curves are plotted the dBm output
of the reproduce pre-amplifier as a function of the dBm. input to the record amplifier.
The record amplifier gain is adjusted so that zero dBm input level produces 1.0% third
harmonic distortion in the reproduced output.
It is seen that several dB of linearity is available above normal recording level. The
limiting case is the curve for 1000 KHz which has a linear range of approximately 8 dB
above normal recording level. This means that approximately 8 dB of dynamic range is
available for record pre-emphasis and for recording at distortion levels above 1%, if
desired. These curves, taken with narrow gap ferrite heads and “High Energy” tape show
much more dynamic range than was obtained with the unmodified system of
Figure 5 (A).
Figure 7 shows the effect of recording at levels above a zero reference level of 1.0%
third harmonic distortion (THD), with ferrite heads and “High Energy” tape. It is seen
here that increasing the reference recording level from 1.0% THD to 2.0% THD would
raise the recording level by approximately 3.5 dB. Recording at 3.0% THD reference
level would raise the recording level by approximately 4.5 dB. If the recordings were
made of pulses, the gradual change of slope of the transfer characteristic would allow
thse higher record levels. If the record input signals are of sine waves, the THD may be
minimized by signal processing prior to recording.
In Figure 8 is shown curves of the relationship between record input level and third
harmonic distortion, both with and without the signal processing circuit. These curves

show that the use of this processing circuit makes possible an increase of three to four
dB in record level when zero reference level is defined in terms of one percent THD.
Now that we have shown the effects of the signal processing circuit in reducing
harmonic distortion, there remains the question of the effects of this circuit on
intermodulation distortion products . Figure 9 shows the distribution of intermodulation
distortion producst with and without the linearizing circuit in use. Even though there is
some increase in IM products, these products are all more than 35 dB below the
reference level. Therefore the IM distortion products are all well below the wide band
noise level.
Performance of Modified System Figure 10 shows the amplitude vs. frequency
response at 30 ips of a complete half speed record/reproduce system with narrow gap
ferrite heads and 3M “High Energy” tape. A reproduce equalizer, modified for use with
these ferrite heads, was used to equalize the pre-amplifier output signal in accordance
with IRIG 106-69.
Figure 11 shows the equalized amplitude/frequency response of this modified
record/reproduce system at 1 7/8 ips. At this tape speed, it was found adviseable to use a
toroidal core step-up transformer between the reproduce head winding and the preamplifier input terminals. This transformer was designed and optimized to provide the
proper transducer source impedance range for best preamplifier noise figure. When this
is done, the wide band, equalized signal-to-noise ratio is approximately 20 dB at 1 7/8
ips tape speed and at 30 ips tape speed. This is obtained with a track width of .025 inch,
providing 28 tracks per inch of tape width.
Conclusions This investigation has shown that recent improvements in magnetic tape
and heads have made possible much improved efficiency in the recording and
reproduction of short wavelength signals. It has also been found that when these
improvements are combined in an optimized record/ reproduce system, an extension of
dynamic range results. The transfer characteristic curve between the normal 1% THD
recording level and tape saturation is more nearly linear. Several more dB of additional
signalto-noise ratio are also available by recording at the 2% or 3% THD levels. A
reduction in third harmonic distortion at these higher record levels may be obtained, if
desired, by modifying the waveshape of the record head signal current to compensate for
the non-linearity of the magnetic tape transfer characteristic.
The net result of combining these improvements is that the use of recorded wavelengths
down to 30 micro-inches is now possible with a broadband signal-to-noise ratio of more
than 20 dB. The track width of .025 inch provides 28 tracks per inch of tape width.

Figure 1
A comparison of reproduced signal levels from 3M888 tape and 3M971
tape at 30 inches/second on an urmodified record/ reproduce system.

Figure 2
A comparison of the effects of long and short record head gap lengths on
unequalized reproduce frequency response.

Figure 3
A caparison of output signal levels from a 2000 ohm ferrite reproduce head
and a 5000 ohm ferrite reproduce head.

Figure 4
Typical curves of narrow band signal-to-noise ratio, showing improvements
obtained by the use of ferrite heads and high energy tape.

Figure 5
Typical curves of Output/Input linearity at 60 micro-inch wavelength,
comparing 3M888 tape with 3M971 tape.

Figure 6
Typical Output/Input linearity curves of 3M971 tape with short gap ferrite
heads.

Figure 7
Typical curves of third harmonic distortion level in percent as a function of
record level with short gap ferrite heads and “High Energy” tape.

Figure 8
Typical curves of third harmonic distortion levels with and without signal
processing circuit to reduce recorded distortion.

Figure 9
Typical measurements of intermodulation products with and without signal
processing to reduce harmonic distort on.

Figure 10
Amplitude vs. frequency response of 28 track, half-speed system at 30
inches/second.

Figure 11
Amplitude vs. frequency response of 28 track, half-speed system at 1 7/8
inches/second.

AN INSTRUMENTATION TAPE WINDER/CLEANER/CERTIFIER
G. W. READ and R. J. YOUNGWIST
Mincom Division
Minnesota Mining and Manufacturing Co.
Camarillo, California

A tape Winder/Cleaner/Certifier for instrumentation tape has been developed which
rewinds, cleans and certifies (i.e., checks for signal dropouts at high speed without
damaging tape. In fact, in many cases, poorly wound damaged tape can be restored to a
useable condition. The cleaning operation also may restore tape whose recorded
information is virtually unuseable to a condition in which the information is useable.
Rewinding tape by a center-driven hub requires a tight tape pack in order that the driving
torque be transmitted from the reel hub to the tape web by frictional forces between
layers in the tape pack, rather than by tension in the tape itself. If this requirement is not
accomplished smoothly and equally the wound tape pack is subject to deformation
during storage and/or temperature changes. This deformation is caused by slippage of
one tape layer relative to another, directly related to unequal tensions during packing. As
a result of this slippage the tensile stress in the tape changes and may become actually
negative at some areas in the tape pack. This changing stress may cause various types of
unacceptable tape pack, described variously as spoking, cinching, buckling, etc. These
deformations in the tape pack can result in excessive tensile stresses in the tape which
will cause permanent physical damage to the tape. They may also cause machine flutter
during the periods in which the un-even stresses occur the next time the tape is used on a
tape recorder.
The requirement of a tight pack at high winding speed is difficult to meet with a hubdriven system for several reasons. The primary reason is that air is trapped between
adjacent layers of tape, resulting in lessened friction between layers. Another reason for
a loose tape pack may be centrifugal force on the tape being wound. Centrifugal forces
tend to separate each layer from the layer beneath it. (The tape is compelled by
centrifugal force to follow a circular path from the line of contact between the incoming
and wound tape onward.)
In the equipment being described a “pack wheel” rather than a driven hub in used to
wind the tape on the reel. This “pack-wheel” is motor driven and contacts the outer

surface of the tape pack, causing the reel to rotate and the tape to be wound on to the
reel.
A grooved monothane surface on the pack wheel perimeter provides high frictional force
between the pack-wheel perimeter and the outside of the tape pack. This grooved contour
results in very little air being trapped between layers of tape and provides a smooth wind
at any speed up to a maximum of 1500 feet per minute (300 inches per second).
There are several reasons that the grooved pack-wheel causes less air to be trapped
between tape layers than does a smooth pack wheel. The lands between the grooves are
subjected to higher pressure per unit area resulting in more complete expulsion of the air
film between the upper tape layer ana the layer immediately beneath. This air film tends
to be entrapped by the pumping action of the outer layer where it contacts the tape pack.
In addition to providing greater unit pressure the grooved pack wheel provides an escape
route through the grooves which has less resistance to air movement than the route
which the trapped air must follow when a flat pack-wheel is used.
Even-ness of the pack can be improved by varying the force with which the pack-wheel
contacts the tape pack. This force is programmed to be high at the beginning of the pack
and at the end of the pack, going to a lesser value during most of the wind cycle. This
high pack-wheel force is also used at any time the winding cycle is started or stopped
even though it may be at some point other than the beginning or end of the reel.
The tape path of the cleaner/rewinder consists of the following items in order: supply
reel, compliance arm (mechanical tension servo), oxide-side wiper, backing wiper,
oxide-side burnisher, oxide-side wiper, compliance arm (mechanical tension servo), and
take-up reel. The motor-driven pack-wheel contacts the perimeter of the tape pack which
is wound on the hub of the take-up reel, and thereby causes rotation of the take-up reel.
The tape direction and pack-wheel operation is reversible so that either reel may be used
as the take-up reel. In either direction of motion there is an oxide-side wipe preceding
and following burnishing.
The certifier section contains a full width erase head, a multitrack (number optional)
record head, and a matching reproduce head. Drop outs are monitored by recording a
tone (variable from 50 khz to 1.2 mhz) and monitoring reproduce output level through an
adjustable sampling period (window). Drop-outs (i.e. reduction of output voltage below
a pre-set level) are counted and displayed on electronic counters and a strip-chart
recorder. Display on the electronic counters is total accumulated drop-outs; on the stripchart recorder it is in drop-outs per unit length of tape. The normal cleaning/certifying
(without rewinding) cycle is one cleaning pass (from left to right) at a maximum speed of
300 ips followed automatically by a cleaning and c6rtifying pass from right to left at 120

ips. The certifying pass must always be from right to left due to the locations of the
erase, record, and reproduce heads.
Tension in the tape path of the Winder/Cleaner/Certifier is controlled by a mechanical
servo, or “Vector brake”. This is an application of the “Vector Displacement-to-force
Converter” for which a patent application has been made. In this particular application
the displacement is that of a compliance arm in which tension in the tape is balanced
against the tension in an elongated helical spring. The displacement of this compliance
arm is converted into a braking force which is applied to the tape reel. This braking force
governs the tape tension. The feedback action thus provided is utilized to servo the tape
tension to a constant value.

VHF AND HF FIELD TESTS WITH AN INTERLEAVED
1/3 RATE BLOCK CODE
J. R. JUROSHEK
Office of Telecommunications
Institute for Telecommunication Sciences
Boulder, Colorado

Summary A one-way error correcting system that employs a onethird rate, interleaved,
block code was constructed and tested at teleprinter speeds. All system functions
including timing and synchronization were tested over a 1300 km VHF ionoscatter path
and a 1500 km HF path. The decoder used “minimum-distance decoding.” The results
showed that coder performance was close to theoretical predictions. A useful secondary
output, called the inversion count, was analyzed. A difference in coder performance was
noted between the VHF and HF channels.
Introduction The Institute for Telecommunication Sciences has recently conducted a
coding experiment consisting of engineering design, implementation, and field testing of
an interleaved and block-coded error control system [1] . The coder/decoder was
designed for 60 to 100 word per minute (wpm) teleprinter (TTY) and was tested over an
existing VHF ionospheric scatter path and an HF path. All the necessary synchronization
and timing were derived from the received signal.
The block code selected was the three-error, correcting (15, 5) Bose-ChaudhuriHocquenghem (BCH) code with a three-to-one redundancy [2], [3]. Each coded word
(codeword) was composed of n = 15 bits of which k = 5 were the information bits of a
standard Baudot TTY character. The start and stop bits were not transmitted by the
system. The remaining 10 bits were parity bits generated by a linear, five-stage, shift
register.
To counteract the slow fading normally encountered on the two test circuits, 64 bits of
interleaving were used. If A1 A2 A3 A4 A5 were the information bits of the first TTY
character, and A6 -A15 were the parity bits, then the transmitted codewords are in the
form,

where the A’s were separated from other A’s by 63 bits from other codewords. The
process of interleaving and encoding was accomplished simultaneously by the
interleaver-encoder shown in Fig. 1.
A group of 64 coded and interleaved TTY characters was called a frame and consists of
64 x 15 = 960 bits. To maintain sync at the receiving terminal, a special uncoded 64 bit
frame sync sequence was inserted after each frame. This sequence was a 63-bit
maximum length sequence extended to 64 bits by retransmitting the first bit. Since errors
may occur during the transmission of this sync character, the decoder had provisions for
updating the frame sync clock without the full 64 bits being received correctly.
Experience during the actual tests showed that at least 58 bits of “match” should be
required before updating of the frame timing took place.
To avoid teleprinter slowdown, the system sacrificed bandwidth to transmit the
redundant information. For a normal 60 wpm (50 bit/sec) TTY, the encoder output rate
was 108 bits/sec. An interleaved 15-bit codeword spanned 8.4 sec, as compared with
0.14 sec without interleaving.
At the decoder terminal the incoming frame was uninterleaved and decoded using
“minimum distance” or “maxirnum likelihood decoding.” The decoder had plenty of time
to scan the 25 = 32 possible 15-bit codewords and determine which codeword was
nearest to the received sequence. A block diagram of the decoder is shown in Fig. 2. The
number of bit inversions i, that was performed on the received character to realize the
nearest codeword was also available.
Test Procedures For this series of tests a special repetitive random looking sequence
of 64 TTY characters was continuously transmitted. At the receiving terminal, the
decoded 5-bit characters were sequentially recorded on magnetic tape along with the
4 bits of inversion count i. Each of these characters was compared with the transmitted
character by a computer and classified as correct with i inversions C(i), or in error with i
inversions E(i). The results were then tabulated for a number of 10-minute samples
composed of J= 4032 TTY characters. It may be shown that none of the 215 possible
received sequences can have a nearest codeword at a distance of 6 or greater. Thus in a
10-minute sample

Although we were not able to measure directly the channel bit error probability, Pe, we
were able to estimate it from the C(i) and E(i) data. The fraction A bits in error must
satisfy two obvious bounds

where i* is defined as i = max {7-i, 4}. These bounds proved to be a sharp estimate of Pe,
provided

We used the average (arithmetic mean) of the two bounds P̄e, as an estimate of Pe . A
typical example of the closeness of the bounds for the P̄e estimate is shown in Table I.
TABLE I
TYPICAL LOWER AND UPPER BOUNDS FOR P̄e
P̄e

Lower Bound

Upper Bound

2.05 x 10-1

1.30 x 10-1

2.80 X 10-1

1.32 x 10-2

1.24 x 10-2

1.40 x 10-2

1.92 X 10-3

1.92 x 10-3

1.92 x 10-3

Test Results The VHF transmissions took place from Long Branch, Illinois, to
Boulder, Colorado, at a frequency of 49.64 MHz. This type of propagation could be
characterized as Rayleigh fading supported by scatter from the D region. Superimposed
on this were recognizably bursts of signals from meteors and occasionally sporadic-E
reflections [4], [5]. The tests were conducted with dual diversity rhornbic, single
rhombic, dual Yagi, and single Yagi receiving antennas. Each rhornbic had a gain of
approximately 20 dB and the yagi approximately 9 dB. The radiated power was
nominally 500 watts and the transmissions were NCFSK with a 6 kHz frequency
deviation. Three different samples of the recorded AGC from one diversity receiver are
shown in Fig. 3.
The HF tests took place between the Naval Postgraduate School at Monterey, California,
and the Boulder terminal. During the night a frequency of 5.9265 MHz was used and
during the day, 13.56 MHz. At night the most probable modes of propagation were
single or multi-hop reflections from the E layer, and during the day single or multi-hop
reflections f roin the F layer [6] . Fading on this type of channel is generally

characterized as Rayleigh or Nakagami-Rice. The HF tests were conducted with 100
watts of radiated power, NCFSK transmission and a frequency deviation of 850 Hz. The
antenna was a base-loaded 32-ft vertical. whip.
One of the foremost quantities to be measured was the word error probability after
decoding, which can be obtained from the expression

This represents the probability that a TTY codeword is incorrectly de coded. In Fig. 4 the
results are shown for the VHF tests with dual diversity rhombics. Each point on the
graph represents the results of a 10-minute sample. The solid curve represents the
theoretical calculations for a memoryless binary symmetric channel (BSC) with “hard
sphere” decoding and is given by

As can be seen, this type of decoder is reasonably descriptive of our data.
Another quantity of interest is the probability of error for a 15-bit codeword prior to
decoding (uncoded). This quantity, shown in Fig. 5, is given by

along with its theoretical BSC counterpart

Although a number of definitions of improvement factor exist, in this report it is defined
as

As shown in Fig. 6, the quantity was infinite for p̄e # 10-2 since all codewords in a
nominal 10-minute sample were corrected.
The error probability of an individual TTY output bit, PE(TTY Bit), was also measured
and is shown in Fig. 7. These measurements agree with the theoretical predictions for a
BSC channel [7] ,

where k is the number of bits per TTY character (k = 5 in these tests).
The VHF results with other antenna configurations (such as single rhombic, dual Yagi,
and single Yagi) were quite similar to the previous tests and need not be described in
length. This was also true for the HF tests. As an example, PE (coded) for the dual Yagi
VHF tests and 5.9265 MHz HF tests are shown in Figs. 8 and 9. As can be seen, the HF
data samples seem to have more spread and at times poorer performance.
The fraction of codewords received correct or in error in a 10-minute sample is given by
and
, respectively. As one might expect these results are strongly
dependent on p̄e for that particular sample. In Fig. 10,
is shown as a function
of i, where
and
are the arithmetic means of C(i) and E(i) averaged over a
selected population of 10-minute samples with a wide range of p̄e . This type of data
estimates the odds of a decoded codeword being correct given a known i. The
information should be valuable to a user who can observe i, but has no knowledge of the
channel bit error probability p̄e . The results are shown for dual diversity rhombic
antennas, dual Yagi’s, and the two different HF frequencies. As can be seen, a definite
pattern exists. The trends can be attributed to differences in fading characteristics. With
its wider antenna pattern, the dual Yagi signal should contain more meteor reflections
than the dual rhombic. Similarly the average fading rate from E layer reflections is likely
to be slower than from F layer. Note that with an inversion count of i = 3 the odds on the
decoded character being correct were less than 2.5 to 1.
Conclusions The severely fading VHF ionoscatter and HF channels were used to test
a 60 wpm coded TTY. The equipment was specifically designed and constructed for the
tests. The results from approximately 300 hours of tests were summarized in a number of
graphs. The experiment showed that theoretical predictions for a memoryless binary
symmetric channel with hard sphere decoding were reasonably descriptive of the actual
measurements. The measurements of
, showed a marked difference between
the dual rhombic and dual Yagi tests, as well as the 13.56 MHz daytime measurements
over the 5.9265 MHz nighttime tests. The coding and interleaving was most effective in
debursting the errors in the VHF dual rhombic tests and least effective in the 5.9265
MHz HF tests. None of the 10-minute samples examined had decoded character errors
when p̄e # 10-3 .
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IMPLEMENTATION OF MAXIMUM LIKELIHOOD DECODERS
FOR CONVOLUTIONAL CODES
Dr. GEORGE C. CLARK, Jr.
Advanced Technology Department
Radiation Incorporated
Melbourne, Florida

Summary Maximum likelihood decoding of convolutional codes is finding
considerable application in communication systems and several decoders of this type
have recently been built. These decoders implement an evolved form of a decoding
procedure that was originally described by Viterbi in 1967. In this document we describe
the problems of reducing the Viterbi algorithm to hardware, the various tradeoffs and
compromises that must be made, and the short cuts that are available. In addition an
interesting variation on the Viterbi algorithm is described which results in favorable
implementation particularly at high data rates.
I. Introduction In 1967, Viterbi(1) described a procedure for decoding convolutional
codes which was later proved to be a true maximum likelihood decoding algorithm and
which is currently finding considerable application in communication system design. Not
only has the algorithm proved useful in decoding convolutional codes but also in other
applications such as FM demodulation(2) and sequential ranging(3). The algorithm is in
fact potentially applicable any time that one is interested in estimating the sequence of
states occupied by a finite state machine through observation of a noisy replica of the
Markov sequence generated by the machine.
This paper is concerned with the problem of reducing the Viterbi algorithm to hardware.
It is the result of experience gathered at Radiation Incorporated in the course of
designing, building and testing maximum likelihood decoders in six different systems
applications which cover a range of bit rates from 2400 bps to 9 Mbps. Although the
experience is strictly related to the problem of decoding convolution codes, many results
will be of value in other applications for which the Viterbi algorithm is a useful signal
processing technique. The paper is organized as follows. In Section II we review and
summarize the decoding process. In Section III we discuss the functional organization of
the decoder and the design tradeoffs that can be made in the implementation of the
various functional blocks. Finally in Section IV we describe a modified version of the
Viterbi algorithm which permits us to implement a suboptimum decoder with reduced
memory requirements without seriously degrading the performance.

II. Review of Decoding Process The encoder for a rate 1/m convolutional code of
constraint length k can be modeled as a finite state machine possessing 2k-1 states.
Transitions from a given state are always into one of two possible states and transitions
into a given state are always from one of two possible states. The coder input determines
which transition occurs and the transition uniquely determines the m-bit coder output. In
Fig. 1 we show a rate 1/2, k = 3 encoder and the associated finite state machine in Fig. 2.
Figure 3 is called a trellis diagram and is an alternate representation of the finite state
machine in which a new set of states have been drawn for each possible time increment.
The operation of the maximum likelihood decoder is probably most easily understood in
terms of the trellis diagram and proceeds in the following manner.
Starting from a known state (normally the all zero state at the beginning of the message)
the decoder hypothesizes the two possible extensions and computes and stores a metric
proportional to the log of the probability that the actual received m. bit branch was
received given the hypothesized branch was transmitted. It then proceeds to the next
received branch, extends each of the two hypothesized branches along the two possible
paths, computes the appropriate branch metrics and adds these to the previously stored
values to produce 4 path metrics. The decoder continues in this fashion until it has
hypothesized 2k-1 paths and has computed 2k-1 path metrics. Thereafter, the decoder
extends each hypothesized sequence along the two possible paths, computes the new
path metrics, compares the two path metrics incident at each of the 2k-1 states and for
each state discards the path having the smallest metric. Thus the decoder is constantly
maintaining 2k-1 hypothesized sequences and 2k-1 path metrics. At each step in the
decoding procedure the paths which are discarded are those paths which cannot possibly
end up being the maximum likelihood choice since all possible extensions of the retained
paths will always possess larger path metrics.
In Viterbi’s original paper the actual sequence was selected by terminating the code
word with a known set of k-l information bits. Consequently when each of the last k-l
branches was processed at the decoder the paths were only extended along the branch
known to have been sent and after k-1 iterations the set of 2k-1 sequences was reduced to
one sequence. This procedure although academically satisfying was unhandy since it
required one to maintain code word synchronization and also resulted in code rates that
were not the ratio of small whole numbers thus necessitating rather complicated rate
conversions. It was subsequently recognized by Forney(4), Clark, et al(5), that it was
unnecessary to terminate the code and that equally good results could be obtained with
unterminated codes and a fixed decoding delay L on the order of 5 or 6 constraint
lengths. The newer procedure was to maintain only the most recent L bits of each
hypothesized sequence. After each new branch was received and the sequences updated
the sequence possessing the maximum path metric was selected and the last bit in this
sequence was outputted while the last bit in each of the other sequences was discarded.
This procedure obviously causes a slight performance degradation in that it only

approaches the maximum likelihood case as L 6 4 . Finite storage is however a physical
necessity and the procedure has the very definite advantage that it avoids the rate loss
associated with periodic resynchronization as well as the problem of rate buffering the
code blocks and maintaining the required block synchronization. There are however
cases in which the use of terminated codes is advantageous particularly in short burst
communication systems and certain TDMA applications. Even in these cases however
one would almost always decode the first portion of the received word with a constant
decoding delay and only make use of the code termination to decode the last few
constraint lengths of data.
III. Functional Organization of the Decoder A machine which implements the
decoding process described in the previous section needs to perform the following
functions.
It accepts at the input a continuous sequence of n-bit binary numbers which represent the
successive outputs of the channel bit detector quantized to one of 2n levels and delivers
the decoded information stream at the output. The machine itself consists of (1) a
synchronizer which provides both branch timing information to the decoder and
determines the correct bit polarity if this is required, (2) a branch metric computer which
determines the appropriate branch metrics for each received code branch, (3) a path
metric updating, comparison and storage device, in which the branch metrics are added
to the previously stored path metrics, the appropriate comparisons made and the new
path metrics stored, (4) a device for updating and storing the hypothesized information
sequences, and (5) an output decision device which provides the decoder output and also
provides information to the synchronizer. Each of these devices is discussed in turn in
the remainder of this section and the design tradeoffs are elaborated upon.
Decoder Input The decoder input is provided in the form of an n-bit binary number by
the bit detector. The bit detector would normally consist of a matched filter (or suitable
approximation) followed by an A/D converter.
There are three interrelated parameters which need to be determined. These are the
number of quantization levels, the spacing between quantization levels, and the number
of bits that will be used to represent the branch metric. A particularly simple ad hoc
scheme is to use 3 bit (8 level quantization) with equally spaced levels, and a uniform 3
bit metric associated with a single channel bit. That is the metric would be allowed to
take on the values 0 thru 7 depending on how closely the received channel bit matched
with the hypothesized channel bit. Computer simulations have verified that with additive
gaussian noise this scheme works very well and provides a level of performance that
differs from that possible with extremely fine quantization by only a few tenths of a db.
Computer simulations have also ver ed that the quantizing range is not critical and that
the probability of decoded bit error exhibits a broad minimum as a function of the

spacing between levels with a near optimum setting occurring when the highest slicing
level in the A/D converter is chosen to be 1/2 a quantization level below the expected
value of the received signal as shown in Fig. 4. Thus, while optimization in this area of
design is possible, the additional gain is hardly worth the trouble.
Synchronizer The synchronizer is simply a device for inserting commas (determining
the beginning and ending of a branch) in the received bit stream and resolving bit
polarity when required. Note that codes with all odd weight generators are transparent to
phase inversions and thus it may not be necessary to resolve bit polarity prior to
decoding. The operation of the synchronizer is straightforward and simply requires an
indication that the input sequence contains a much larger number of errors than normal.
Several techniques are possible and almost any way that one can get an error detecting
indication will work. One method for which there are many possible variations is to look
at the rate at which the path metrics are increasing. A second method and one that is
particularly simple to implement is to check the oldest bit in each of the 2k-1 hypothesized
bit streams and determine whether or not all of the bits are unanimous. In the absence of
excessive channel noise the number of non-unanimous decisions is very small whereas
with a bit slip or polarity inversion the effective channel noise is sufficiently large that
non-unanimous decisions will occur a large percentage of the time. Consequently one
need only count the number of unanimous decisions that occur in some fixed block
length and compare the value with a threshold.
Branch Metric Computer For rate 1/m codes, 2m different branch metrics need to be
computed each bit time. If the uniform assignment method discussed previously is used
then the computation is relatively straightforward. For example if the convention is
adopted that the binary number 000 corresponds to a highly reliable received 11011 and
the numbers 001, 010, etc. , indicate received zeroes with decreasing reliability then the
branch metric computer simply inverts this number of obtain the channel-bit metric
associated with a hypothesized “0” or does nothing to it to obtain the channel bit metric
associated with a hypothesized “1”. To compute, the branch metric it need only sum the
individual bit metrics that make up the branch. If the decoder is being used to combat
noise with other than a gaussian distribution then one may require a more sophisticated
mapping from the received signal values to the metric values
Path Metric Updating and Storage In this portion of the system the received branch
metrics are added to the previously accumulated path metrics, the appropriate path
metrics are compared, and the largest value in each comparison is retained. Both this
portion of the machine and the portion that stores the hypothesized information
sequences account for the greatest portion of the parts that are used so it is in these two
areas that the greatest care need be taken in design in order to avoid excessively large
part counts. A useful modularizing concept can be developed if we number the nodes in

the trellis diagram from 0 to 2k-1-1 starting with the uppermost node. In this case it is
easily verified that the two descendants of states j and j + 2k-2 (0 # j <2k-2) will always be
states 2j and 2j + 1 where state 2j is always the “0” extension of j and j + 2k-2 and 2j+ 1 is
the “1” extension. Thus one may implement this portion of the decoder by repeated use
of a module which enables one to determine the four possible path metrics corresponding
to extensions of states j and j + 2k-2, make the required comparison and restore the new
path metrics for states 2j and 2j. + 1. The repeated use of the module may be
accomplished by time sharing for a very low speed machine or by actual duplication of
the module for very high speed. In between a large number of serial and parallel
combinations are possible and a detailed discussion of the tradeoff s is beyond the scope
of this paper. In addition the basic module itself may be implemented using all parallel
adds and compare operations or it may be done using a serial add followed by a serial
compare. A still different variation is to implement the module so that the new metric for
state 2j and state 2j+1 are formed sequentially using the same module. It is also possible
to do a partial compare first and this manner of operation proved useful in the new
variation of the algorithm discussed in Section IV. In one recent application which
required operation at a 9 Mbps data rate we went somewhat beyond the “fully parallel,,
case and actually doubled up on this module so that the add and compare operations
could be done simultaneously. With the rapid increase in the availability of high speed
MSI this would no longer be necessary at the 9 Mbps rate but might be required at higher
rates.
The metric values themselves may be stored in a long serial register for very low speed
operation, or in some combination of serial and parallel storage at higher speeds. Here
again the number of combinations is very large and the optimum choice will depend on
the specific application.
One further point needs elaboration however and that regards the size of the metric
registers. Fortunately the difference between the smallest and largest metric can easily be
shown to be bounded by (k-1)M where M is the maximum value of the branch metric*.
For a rate 1/2, k = 6 code using a 3 bit metric for each channel bit the value of M is 14
and thus the maximum difference is 70. Consequently a 7 bit metric register is
completely adequate although for convenience and ease of resealing one would probably
use 8 bit registers.
Storage and Updating of Hypothesized Information Sequences The basic modular
aspect of this portion of the decoder is identical to that of the metric storage device
discussed in the previous paragraph and in some cases the devices are combined. In
concept this device consists of 2k-1 registers capable of storing L bits each. Normally one
would reserve fixed storage locations for the sequence associated with each state
*

For specific codes even tighter bounds can be founder(6) however this is rarely necessary.

although this is not necessary. The registers must be interconnected such that the
contents of the registers corresponding to states j and j + 2k-2 can be transferred to the
registers corresponding to 2j and 2j + 1. Control must be such as to allow for all four
possible ways of transferring the sequences. In addition a means must be provided for
removing the oldest bit from each sequence during the transfer operation and appending
a new bit. The new bit is always the binary number corresponding to whether the new
sequence came from state j or state j + 2k-2 and will be zero if the former is true and one if
the latter is true. This bit does not correspond to the most recent bit in the trellis but to
the one k-1 branches back. The interested reader can verify that the location index (state
no. associated with each register provides k-1 bits of “free’, storage that do not need to
be duplicated.
Output Device Several techniques are available for providing the decoder output. The
best of course is to select the sequence possessing the largest path metric and choosing
the oldest bit in this sequence. In a high speed fully parallel machine however this
requires a considerable amount of logic and may not be cost effective. In general we
expect all of the sequences will have “merged” by the time the decoding depth has been
reached so that all paths in the trellis collapse into a single path. In this case one could
just as well choose an arbitrary sequence and output the oldest bit. A method somewhat
inbetween the two from a performance viewpoint is to make a majority decision over all
sequences. Many other combinations are obviously possible but probably not practical.
Obviously some degradation takes place by using one of the suboptimum techniques
however they may be overcome by extending the decoding length. If for example a
decoding depth of say 18 is adequate to achieve a given probability of error using the
maximum correlated sequence technique then something on the order of 25 will be
required using the “majority vote” technique and 30 using the arbitrary sequence
technique. All manner of trades are available and the right choice depends upon the logic
line and implementation rate.
IV. A Variation on the Viterbi Algorithm - The Stepped Trellis Decoder In this
section we describe a variation of the Viterbi algorithm which permits one to reduce the
amount of storage required for the information sequences by taking advantage of the fact
that the sequences tend to merge after only a few bits and most of the storage required is
redundant. This technique will be referred to as the stepped trellis decoder.
Stepped Trellis Decoder In the stepped trellis decoder, the hypothesized information
sequences are stored in the form illustrated in Fig. 5. The storage is divided up into k-1
levels with 2 sequences being retained at level 1, 4 sequences at level 2, 8 sequences at
level 3, etc. Bits are processed through the storage medium from right to left with the
oldest bits stored at level 1 at the lefthand edge of the diagram and most recent bits at
level k-1 at the righthand edge. Within each level the sequences are shifted and

interchanged exactly as though one were decoding a code whose constraint length is one
greater than the level number. The oldest set of bits at each level form the set of possible
inputs to the next lowest level. At the end of a computation cycle the sequences have
been arranged so that at the jth level sequence m and sequence m+2j-1 form the two
possible extensions of sequence m at level j-1. That is the computation has been such
that the metric value associated with sequences m and m+2 2j-1 at level j were compared
and the oldest bit in the sequence with the largest metric became the most recent bit in
the mth sequence at the (j-1)th level. The larger of the two metric values assigned to
sequence m and m+2j-1 at level j is always assigned to sequence m at level j-1.
A particularly useful viewpoint is to consider the stepped trellis decoder to be a cascade
of sub-optimum machines. The first sub-optimum machine is associated with level k-2
and decodes as if the code constraint length were k-1 rather than k but with one
important difference. Instead of discarding an entire sequence after the new branch is
processed and the compare operation is made, one essentially traces back a depth 1k-1
into the previously processed bits and discards only the portion of the sequence past this
point. Thus the constraint length k machine provides extensions consisting of 1k-1
branches to the constraint length k-1 machine rather than extensions consisting of one
branch. Similarly the constraint length k and constraint length k-1 machines provide
extensions consisting of 1k-1 + 1k-2 branches to the constraint length k-2 machine, etc.
The operation of the stepped trellis decoder is probably most easily understood by
considering a specific example. Suppose we have a constraint length 4 decoder. At the
beginning of the computation cycle, the hypothesized information sequences are stored
as shown in Fig. 6. The connection between the sequences at different levels is indicated
by the broken lines. The first step in the decoding process is to extend each hypothesized
sequence along both possible branches, compute the associated path metrics, and make
the appropriate binary comparisons. The sequences whose metrics are being compared
are indicated in Fig. 6. After the comparisons have been made, the sequences at level 3
are rearranged and shifted one bit to the left so that they are now stored in the locations
indicated in Fig. 7. We observe that the relationship among the sequences has also
changed and is as indicated by the broken lines in Fig. 7. Also 8 new metric values have
been created and these are stored in locations corresponding to the 8 sequences. The next
step is to rearrange and store the sequences at level 2. This is done by regarding the new
sequences 2m and 2m+1 at level 3 as the two possible extensions of sequence m at level
2. (Note that before level 3 re-arrangement takes place these sequences were stored in
either location m, location M+4, or both.) At level 2 we compare the metrics associated
with the extensions of sequence m (m = 1, 2) with those associated with the extensions
of sequence m+2. The result of these comparisons determines the new sequences 2m and
2m+1 at level 2. In the process of interchanging the sequences at level 2, they are shifted
one bit position to the left and the left most bits in the winning extension sequences
become the right most bits in each level 2 sequence. The relationship among the

sequences is now as shown in Fig. 8. The four winning metrics are now associated with
each of the surviving sequences at level 2 and the process is repeated to determine the
interchange and shifting of sequences at level 1. Finally the two surviving correlations
are compared to determine which of the two surviving hypothesized information
sequences supplies the output. One should now observe (Fig. 9) that the relationship
among the sequences is exactly the same as at the beginning of the decoding cycle and
the decoder is ready to process the next received branch.
It should be noted that this version of the decoder does not require any additional
computations over that required in the usual version of the parallel maximum likelihood
decoder which makes output decisions on the basis of the maximally correlated
sequence. (It does require additional computations over a machine which makes majority
type decisons at the output. ) Also the operation of the stepped trellis decoder at each
level is exactly the same as for the usual version of the machine. Thus parts savings are
directly related to the amount of memory that can be eliminated. Obviously it is desirable
to step the storage down as rapidly as possible by keeping the length of each level of the
storage medium short, particularly for the higher number levels. In the next section we
develop a procedure for determining bounds on performance as a function of the length
of the various storage levels.
Error Bounds for Stepped Trellis Decoder In this section we develop an upper
bound on the probability of bit error for the stepped trellis decoder. The technique used
to obtain this bound is similar to other techniques used to obtain bounds for short
constraint length convolution codes (Refs. 5 and 7), but differs in that the finite memory
of the decoder is taken into account. The basis of the technique lies in the fact that at a
particular step in the decoding process, errors are most likely if no previous decoding
errors have been made. Thus one can overbound the probability of error on L
consecutive decoding steps and consequently overbound the average probability of bit
error.
We first observe there are two distinct bit error causing events called replacement errors
and output errors. Replacement errors occur when any portion of the correct sequence
being retained in the decoder is replaced by an incorrect sequence. If a single
replacement error occurs in the process of decoding a sequence of bits and no subsequent
replacement errors occur then the replaced sequence will eventually be passed out of the
decoder and the decoded output will be in error in all of those places where the replaced
sequence differs from the correct seque . nce. An output error occurs when the output bit
is selected from a sequence other than the correct sequence or a replacement for the
correct sequence. An output error results in a bit error if and only if the incorrect
sequence differs from the correct sequence in the output position. Before proceeding it is
helpful to define the following symbols:

RE
OE
NPRE
PRE
N̄j

-

M̄j

-

Pj[ ]

-

Replacement Error (event)
Output Error (event)
No Previous Replacement Errors Have Occurred (event)
Previous Replacement Errors Have Occurred (event)
Expected Number of Bit Errors Due to a Replacement Error
While Processing the jth branch
Expected Number of Bit Errors Due to an Output
Error While Processing the jth Branch
Probability of Event While Processing the jth Branch

Ignoring end effects we may overbound the average bit error probability Pe associated
with decoding a sequence of length L as
(1)
Note that the inequality results when two closely spaced replacement errors cause one
error pattern to be substituted for another one.
The terms Pj [OE ] and Pj [RE] are difficult to compute but may themselves be
overbounded.
We observe that at the time the jth branch is being processed either previous replacement
errors have occurred or they have not. If a previous replacement error occured on the
very first step of processing some earlier branch then the metric associated with the
correct sequence at that point has been forever replaced by a metric of larger value.
Hence in subsequent comparisons with this metric, both replacement errors and output
errors will be less likely to occur than if the correct and smaller metric had been retained.
If the previous replacement error does not occur on the very first set of comparisons
associated with decoding a particular branch then the metric associated with the correct
sequence is only temporarily replaced by a larger metric and the enhanced probability of
correct decision continues only for the remaining comparisons associated with that
branch. Consequently we may write

(2)

Similarly
(3)
If we next observe that the above probabilities are independent of which branch is being
processed then we may drop the subscript j and the average bit error probability is simply
bounded as
(4)
Let Pij be the probability (conditioned on no previous replacement errors of replacing the
correct sequence by the ith incorrect sequence at the jth level in the decoder, and let Nij
be the number of bit errors associated with this error event. Then output errors become a
special case of this (j = 0) and

(6)
The Nij and P̂ij are easily computed by considering the all zero word to be transmittedand
examining the particular error sequences which may occur. We illustrate this with an
example.
Consider the K = 4 code which was discussed earlier. If we assume that the all zero path
is transmitted and no previous errors have occurred, then the replacement errors by
substituting one of the paths shown in Fig. 10 for If we consider each path separately, the
probability error path for the all zero path depends on the total of that path from the point
at which it first diverged path to the point at which it remerges for the first time. Paths
which remerge more than once are not included since they will either contribute to a
replacement error at an earlier node thus violating our assumption of no previous
replacement error or they will be eliminated at the earlier node and hence not be
available for comparisons. Observe that while the total path weight determines the
probability of selecting that path and the all zero path, only the portion of the path
contained in the most recent R3 bit locations will contribute to the bit error rate. Thus we
compute the i3 term in (6) by using the total weight of the ith path to determine P̂i3 and
the weight of the information sequence associated with the ith path only over the last R3
branches to determine Ni3.
At level 2, all paths which terminate at node 4 and have not previously merged with the
all zero sequence are possible. As before the total weight of each path (up to node 4)
enters into the determination of while only the weight of the information sequence over
the interval P̂i2 while only the weight of the information sequence over the interval

R2 enters into the computation of Ni2. Note that interval R2 is located between branches
R2 + R3 and branch R3 . At level 1 we may compute P̂i1 and Ni1. by finding the total weight
of all paths which terminate in either node 2 or node 6 and by computing the weight of
the information sequence included in the interval between R1 + R2 + R3 and R2 + R2 . Finally
we compute P̂io and Nio by considering all sequences which terminate at nodes 1, 3, 5, or
7 and which contain a “1” in the information sequence at depth R1 + R2 + R3 .
In practice the above procedure is facilitated if one has a list of all the low weight paths
which diverge and remerge with the all zero sequence only once. The contribution to
level 3 errors is computed by determining the total weight of each path and the weight of
the information sequence associated with the last R3 branches. The contribution to level
2 errors is found by deleting the last branch of each path, computing the total weight of
the new path and the weight of the information sequence contained between branches
R3 and R2 + R3 on the new path. Level 1 errors are accounted for by eliminating the last
two branches from each path, etc.
Optimizing Design Parameters From a design viewpoint, the one remaining
consideration is to determine how to choose the length of the various storage levels so as
to minimize the number of storage elements without appreciably degrading the
performance. One technique would be to fix the total number of storage elements at one
of several different values and for each value to vary the lengths of the various storage
levels so as to minimize bit error rates at different signal/noise ratios. The resulting
performance versus part count curves could then be used as the basis for various design
trade-offs. Unfortunately the procedure is extremely time consuming and probably not
practical unless large production runs are anticipated. As a practical alternative we
propose the following ad hoc and somewhat non-optimum procedure.
Since one eliminates fifty percent of the remaining storage requirement each time the
storage is stepped crown in size, it is desirable to make the first reduction in size as
rapidly as possible. That is we should try to choose Rk-1 to be as short as possible, the Rk-2
as short as possible, etc. One basis for doing this is to note that at sufficiently high signal
to noise ratios, the lower weight paths dominate the probability of bit error and each time
we step the storage registers down in size, we reduce the effective weight of the paths
contributing to the performance of the remaining portions of the machine by one branch.
Depending on how the code generators are chosen, the last branch in every code word is
either weight one or two. If the weight of the last branch is one, it would appear desirable
to choose Rk-1 to be at least as long as the longest low weight path. In this fashion the
contribution to the probability of error from other than the (k-1)th level should be
roughly of the same order of magnitude as that from the (k-1)th level. Using the same
reasoning, if the weight of the last branch is two then the longest path of (minimum
weight +1) should determine Rk-1. Similarly only those paths whose length exceeds

Rk-1 + Rk-2 can contribute to errors at the (k-3)th level. Thus we should choose Rk-1 + Rk-2
such that the appropriately reduced weight of these paths is not less than the minimum
weight of the code. The procedure obviously may be extended to all the remaining
levels.
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Figure 1. - k = 3, Rate 1/2 Convolutional Code

Figure 2. - State Diagram for k = 3, Rate 1/2 Convolutional Code

Figure 3. - Trellis Diagram for k = 3, Rate 1/2 Convolutional Code

Figure 4. - Relationship of Quantization Levels to the Expected Value of the
Received Signals.

Figure 5. - Arrangement of Storage for the Hypothesized Information Sequences in
the Ste ed Trellis Decoder

Figure 6. - Relationship of the Hypothesized Sequences to Each Other After the
Extensions at the Third Level Have Been Made but Prior to Any Interchanges

Figure 7. - Relationship of the Hypothesized Information Sequences to Each Other
After Comparison and Interchange at the Third Level but Prior to
Comparison and Interchange at Level 2 or Level 1

Figure 8. - Relationship of the Hypothesized Information Sequences to Each Other
After Comparison and Interchange at the Second and Third Level but
Prior to Comparison and Interchange at Level 1
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Figure 10. -

Terminal End of all Paths Which Contribute to Level 3 Replacement
Errors
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Summary Computer simulation studies of the hybrid pull-up bootstrap decoding
algorithm hive -been conducted using a constraint length 24, nonsystematic, rate 1/2
convolutional code for the symmetric channel with both binary and 8-level quantized
outputs. Computational performance was used to measure the effect of several decoder
parameters and determine practical operating constraints. Results reveal that the track
length may be reduced to 500 information bits with small degradation in performance.
The optimum number of tracks per block was found to be in the range of 7 to 11. An
effective technique was devised to efficiently allocate computational effort and identify
reliably decoded data sections. Long simulations indicate that a practical bootstrap
decoding configuration has a computational performance about 1.0 dB better than
sequential decoding and an output bit error rate about 2.5 x10-6 near the Rcomp point.
Introduction The basic coding dilemma is one of exponentially increasing decoding
complexity as the theoretical capacity of a communications channel is approached.
Hybrid coding is a cascade or concatenation of block and/or convolutional codes in an
attempt to operate near capacity while maintaining a complexity less than that possible
with either code type alone. This paper presents the results of a study of the hybrid
bootstrap coding system of Jelinek.1 This technique is similar to a simple case of the
Falconer scheme, in that a parity relationship between a set of convolutionally encoded
data tracks is used to aid in the decoding of those portions that are difficult. (An even
parity is assumed throughout.) It differs from the Falconer scheme, which uses an
algebraic relationship to derive directly the most difficult portions after a sufficient
number of others are decoded, by making use of additional probabilistic information
contained in the parity relationship. In so doing, each bit of data decoded helps to
“bootstrap” those remaining.
After reviewing briefly the functioning of bootstrap decoding, this paper examines the
computational effect of several decoder parameters and determines a practical range of
operating values. Detailed performance behavior of such an optimized system is
presented and compared to simple sequential decoding and Falconer decoding.

Encoding The encoding function is the same for all variations of bootstrap decoding
described in this paper. (The decoders differ only in the manner in which they utilize
information that is always available at the receiver.) Basically, m-I independent,
convolutionally encoded “data tracks” are linked together into one “decoding block” by
the addition of an m-th “parity track.” That is, each bit of the parity track is the modulotwo sum of the corresponding bits in the data tracks. Because of the linearity of
convolutional codes, this parity track is also decodable and, as will be shown, may
actually be generated by a convolutional encoder. The reader will note that this encoding
function is identical to that required by the Falconer system for a simple parity check
code.
Actual mechanization of the encoder depends upon several operational considerations.
One method, which requires in-1 convolutional encoders, provides natural interleaving
of the tracks. Data are routed to the encoders for coding and transmission in a “round
robin” fashion, with the parity bit inserted in its turn by a modulo-two adder. Decoder
synchronization for such a scheme will be difficult; synchronization and tail-forcing bits
must be independent of data formating, possibly causing a small data buffering problem
at the end of each block. Failure of the decoder to complete the decoding of a block
results in the loss of a large amount of data, if not the entire block.
An alternative way of mechanizing the encoder requires one convolutional encoder and a
storage register having the length of a track. The data are encoded and transmitted, one
track at a time, while the parity track is formed in the storage register. The contents of
the storage register are then encoded, transmitted, and reset following the last data track
of each block. Although this scheme does not provide interleaving and causes an even
larger buffering problem while the parity track is transmitted, it does offer several
advantages. It is possible to let data formating correspond to individual data tracks. Code
synchronization can be performed easily on a track basis, with block synchronization
derived from identification bits embedded in the data tracks. In addition, a decoder
failure will not necessarily result in the loss of a full block of data. Finally, since data
formating, synchronization, and tail-forcing can be related, the rate loss for these
functions can be reduced.
Rudimentary Bootstrap Decoding Bootstrap decoding is applicable to all
symmetrical binary input channels. For the purposes of this paper,, a simplified
description of the “rudimentary” algorithm for the binary symmetric channel (BSC) is
given following the outline used by Jelinek.1
After the encoded data have been received and are synchronized, the bits of a block are
grouped into m tracks, and an additional track, the “channel state stream,” is formed by
the decoder. Each channel state stream bit is the modulo-two sum of corresponding bits
in the parity and data tracks. The channel state stream differs from the parity track
because it includes the parity track and is formed after the transmitted sequence is

corrupted by noise. Therefore, a “zero” in this track indicates that an even number of
errors was received at a given position, and a “one” indicates an odd number.
The probabilities that k bits which are independently transmitted through a BSC of
crossover probability p will be received with an even or odd number of errors are given
by

The information is used to form an augmented transition probability matrix wm(y,z/x)
where y is the received bit and z is the channel state bit associated with y and formed
over m tracks, given that x was transmitted. Thus:

It is natural to use these augmented transition probabilities in forming the bit likelihood
function for sequential decoding. The function is

where

and R is the bias factor.
From this starting point, the development of the rudimentary bootstrap decoding
algorithm follows directly. The first of the m tracks is sequentially decoded using the
channel state stream and likelihood values defined above. If, after a preassigned amount
of effort, decoding of this track is not completed, restart values are saved. This step is
repeated on successive tracks, looping back to the first track if necessary, until decoding
of one is completed. At this time, the received sequence for the completely decoded track
is replaced by the newly estimated sequence, and the channel state stream is recomputed.
If the decoding was error free, then the new channel state stream values represent an
even or odd number of errors in the m-1 remaining tracks, as before. The entire process
is repeated, excluding the decoded track, now using likelihood values for m+1 tracks.
When a second track is completed, its received sequence is replaced, and the channel
state stream is again updated.
The pattern is now obvious, and the process is repeated until all tracks have been
decoded or the total work exceeds a maximum amount. It would be possible to derive the

last remaining track, on the basis of the parity relationship, when rn- I tracks have been
decoded. Indeed, this is the principle of Falconer decoding; but it is actually simpler to
decode this track, too, since the decoding requires exactly one computation per bit. This
fact, and the general effect of using the channel state stream, may be seen in the sample
likelihood table shown in figure 1. When many tracks are undecoded, the channel state
bit gives little additional information about the probability of error in a single received
bit. Therefore, for large k, the likelihood values for bootstrap decoding approach the
usual values for sequential decoding, depending mainly upon agreement or disagreement
between the received bit and the hypothesis. At the other extreme, for small k, the
channel state bit has a large influence. For example, if two tracks remain undecoded
(k = 2) and the channel state bit is “one,” neither hypothesis is reliable because the
probability is 0.5 that the received bit is in error. On the other hand, great reliance is
placed on the correctness of the received bit when the channel state bit is “zero” since
the probability of a double error is small. When k = 1, the knowledge that the received
bit is in error for a channel state bit “one” and correct for a “zero” is reflected in the table
by a 4 likelihood value for the impossible hypothesis and 1.0 for the correct hypothesis.
Pull-Up Algorithm The primary worth of the rudimentary algorithm is the description
of the bootstrapping process and simplification of its analysis. Practical use of the
rudimentary algorithm is probably limited because one rather simple modification
substantially increases the power of the decoder. In the modified algorithm, called the
“pull-up” algorithm, the decoder does not wait until a track is decoded completely before
updating the channel state stream. It operates instead on a single track until the track is
completed or a difficult-to-decode section is sensed, at which time decoding is stopped.
The completed track is handled as in the rudimentary algorithm. Before proceeding with
the next track after a track is terminated, however, the decoder declares that portion
which it deems reliable to be “definitely decoded.” In doing so, it updates the channel
state stream and prepares restart values so that the next decoding attempt on the track
will begin immediately after the definitely decoded section.
Since it is possible to have all tracks in varying stages of completion, to obtain the most
effective use of the channel state stream it is necessary to indicate how many tracks
remain undecoded at a given node. This is done with a vector, KLEFT, the length of a
track, which the decoder references to determine the likelihood values to use at a given
node. At the outset, all KLEFT values are set to m, the number of tracks in a block, and
are adjusted accordingly as individual tracks are “pulled up.” Note that it is necessary
each time to start decoding from the “origin” because the state stream may change from
the time the decoder terminates a track to the time the decoder restarts it.
Computer Simulations Many variables affect the performance and practicality of a
system as complex as bootstrap decoding. Unfortunately, analysis can give only bounds
on performance for simplified and idealized conditions. Therefore, simulations have

been performed to determine the gross effect of a number of parameters for the pull-up
version and to obtain performance figures for a quasi-optimized system that could be
considered for possible deep space application.
The simulation program was written in FORTRAN for a 24-bit, 1.75 Fs/cycle computer
with in-line assembly language used to optimize the critical loops. The convolutional
code was restricted to the rate 1/2, constraint length 24 complementary code (taps
51202215 and 66575563) found by Bahl and Jelinek.3 This code was selected because it
could be simulated within a single computer word and is sufficiently powerful (free
distance 24, minimum distance 10) that decoder errors do not limit the system. The Fano
algorithm was used for sequential decoding with a simulation speed in excess of 3000
computations per second. All simulations were run with the bias factor R = 0.5 and the
threshold spacing = 3.0. One-dimensional parameter studies of this system using the
BSC concern track length, tracks per block, stopping rule, and reliability criterion. These
tests were run at low signal energy per information bit per noise power spectral density
(Eb/No) values so that the effects of the parameters could be observed near threshold-ofoperation conditions.
Track Length It is possible (perhaps desirable from a theoretical point of view) that
the track length be very long for the pull-up algorithm. Other practical considerations,
such as synchronization, formating, and buffering, require that the track length be
reasonably short. Figure 2 shows the effect of track length on computation performance,
with the number of tracks fixed at 7. All tracks for all simulations are terminated by a
one-constraint-length tail that is included in the rate loss for the code. The value of Eb/No
was fixed at 3.43 dB, and for direct comparison, the computation distributions per block
were normalized per information bit before being plotted. Average computations are
shown in the legend. It can be seen that the computation performance is degraded for a
track length of 300 information bits, but that little improvement is actually obtained for a
length beyond 500. The track length was fixed at 500 information bits for all other
simulations.
Tracks per Block The rate loss of bootstrap decoding, determined by the number of
tracks per block, m, is significant for small m but it decreases rapidly and then changes
relatively little as m becomes large. This fact, and the fact that the effect of the channel
state stream is predominant when the number of tracks is small, suggests that an
optimum value for m can be found. In addition, the value of m has a direct influence on
formating, encoder complexity, and decoder buffering. Simulations were conducted to
determine the effect of m on the computation distributions. The track length was fixed at
500 information bits (plus the one-constraint-length tail), and all simulations were
carried out for a value of Eb/No held constant at 3.43 dB. Figure 3 is a summary of the
results of these simulations, with distributions of normalized computations per
information bit plotted for selected values of m and a more complete table of average

computations per information bit given in the legend. The irregular variation in
computations between values of rn is probably due to small sample size (3.675x106 bits
per value of m), but a broad minimum is indicated between m = 7 and 11. Values of m in
this range would be practical for operational use. The number of tracks per block was
fixed at 7 for all other simulations.
Stopping Rule An effective stopping rule must be devised in order to obtain the
maximum efficiency of pull-up bootstrap decoding. The sequential decoder should be
allowed to operate as far as it can go easily. Unnecessary time is wasted in restarting
when a track is stopped too soon, or in computing, when it is not stopped soon enough.
In addition, the stopping rule should provide information about the reliability of the path
on which the decoder is operating. Several rules based upon limiting the number of
computations per track were devised and tested, but none proved very useful because of
the large variation in the number of computations for each track. When the computations
limit is set low and increased when no progress has been made on any track, many
decoding attempts are required to complete each block. Setting the initial limit high to
reduce the number of attempts caused long unnecessary searches. In addition,
computations alone do not provide reliability information.
The final and most effective rule devised is based solely on observation of the path
likelihood value. Since the likelihood of the correct path tends to increase with depth in
the code tree, the rule allows the decoder to operate as long as a drop in the value of the
likelihood does not exceed a specified value, D. Mechanization of this rule also gives the
needed reliability information. The decoder keeps track of the maximum likelihood
value, Lmax, of any path visited. Operation is stopped if the decoder attempts to lower the
threshold more than D below Lmax. At this time, the decoder is pointing to a node before
the Lmax node which has a path likelihood approximately D below it. The probability that
this node is on the correct path increases with increasing values of D. The definitely
decoded section is declared to extend from the starting point up to LBACK nodes from
the stopping point, where LBACK is another variable in the stopping rule.
In order to sense stagnation in the decoding process, it is necessary to count the times the
definitely decoded section is not increased by NPULL nodes for a single decoding
attempt. For all simulations, NPULL was set to 15. The counter, KROUND, is initially
set to 0 and reset each time that decoding results in more than NPULL definitely decoded
nodes. If the KROUND count becomes equal to the number of undecoded tracks, thus
indicating that no progress can be made on any track, the value of D is increased and
KROUND reset. At this time, the channel state stream is recomputed and decoding is
begun from the first node of each uncompleted track. This procedure allows for
correction of possible errors included in definitely decoded sections of the incomplete
tracks which may be causing the decoding difficulty. The value of D is reset to its initial
value each time a track is completely decoded.

Figures 4 and 5 show the results of simulations for the above scheme. All simulations are
for 500 information bits per track, 7 tracks per block, and Eb/No = 3.43 dB. For these
simulations, D is determined by multiplying the indicated stop factor by the “disagree, 0
state bit” likelihood value for the number of existing uncompleted tracks. Figure 4 shows
the effect of several stop factor sequences with LBACK = 50, and figure 5 shows the
effect of LBACK using only the 4, 5, 6, 7 stop factor sequence. It can be seen that an
initial stop factor of 3 or 4 is optimum with an increase of I each time stagnation occurs.
For these values the stopping point does not usually contain errors, and LBACK may be
small.
Performance of Optimum System Figure 6 shows the performance of a pull-up
bootstrap decoder for the BSC. System parameters, chosen near the optimum values
determined in the previous simulations, were held fixed over the Eb/No range. Although
no further attempt was made to optimize the system, these curves provide a good
measure for comparison with other systems. The Pareto slope, ", is plotted as a function
of Eb/No in figure 7. The Rcomp point is interpolated to be 3.1 dB. During these
simulations 62 decoder errors were observed for the 3.43 dB case. The resulting output
bit error rate was about 5 x 106.
It is worthwhile to note here that the power of the code and stopping rule worked very
effectively in eliminating decoder errors. Numerous errors were inserted in partially
completed tracks but were removed when the tracks were eventually restarted. The 62
errors occurred in one block; 31 were decoded into the second track to be completed and
the other 31 were forced by parity into the last track. (Weaker codes have been observed
to permit more frequent errors, which were also duplicated in a second track with no
significant effect on the computation performance.)
Figure 8 shows pertinent information about decoder operation for one block of the Eb/No
= 3.43 dB sample. This block was selected because it shows the decoder trying to
commit errors (step 7), a change in stopping rule (step 18), the effect of pull-up, and the
general reduction in computations per track as the quantity of definitely decoded data is
increased (when there are no errors). The step number is KTRY; JNOW is the track
being operated on; ITCT is the number of computations for the step; IT is the stopping
threshold value; ITMX is the maximum threshold value; DFAC is the stopping rule
likelihood drop factor; NSTART is the starting node; N is the stopping node; NMAX is
the maximum node depth; KLEFT is the number of uncompleted tracks after the decode
step; and KROUND is the number of steps since pull-up.
Figure 9 is a plot of the probability that the total number of decoder steps per block will
exceed a given number for the optimum system with Eb/No as a parameter. Note that

these curves exhibit a Pareto-type distribution with a sharp change in slope near the
Rcomp point of the system.
Comparison With Other Systems It is interesting to compare bootstrap decoding
with two other decoding techniques because of their similarities. The first is simple
sequential decoding. To provide a means for direct comparison, simulations were
performed for the same Eb/No values as were used for the bootstrap decoder. The same
Fano algorithm, track size, and rate 1/2 convolutional code were used. The results are
shown in the normalized computations curves of figure 10 with the Pareto slope values
plotted in figure 7. Rcomp is at approximately 4.6 dB. Bootstrap decoding has a gain of
about 1.5 dB over simple sequential decoding.
In order to determine the exact effect of the channel state stream, the pull-up decoder
was modified to use standard likelihood values when k ranges from 2 to 7 so the channel
state stream is useless, except to pull up the track which is farthest behind the others.
Consequently, the algorithm actually behaves like the Falconer algorithm for a 7-bit
parity check code, with the exception that the decoder is restarted from the first
undecoded node at each decoding attempt. The computation results of these simulations
are shown in figure 11 with the Pareto slope values plotted in figure 7. This algorithm
has an Rcomp of about 4.1 dB which is only 0.5 dB better than simple sequential decoding.
The use of the channel state stream therefore yields a rather inexpensive 1.0 dB gain.
Extension to Quantized Channel Bootstrap decoding would be of little use if it were
applicable only to binary output channels since nearly 2 dB can be gained for simple
sequential decoding if the output is quantized to eight levels. Jelinek has provided such
an extension for the bootstrap decoder.1 Unfortunately, to make full use of the
information provided by the quantized symbols, a large amount of time is required to
compute channel state values, which are no longer binary. Excessive computing time,
coupled with the large likelihood tables required (15,280 entries for 8-level quantization
and 7 tracks), probably makes such a scheme impractical.
Fortunately, there is a compromise - to use the quantized values of the track symbols and
maintain only a binary channel state stream. If the receiver outputs are broken into sign
and quality bits, u and v, then the channel state values, z, are modulo-two sums of u, as
before. Then

where

and

qk(z) is defined as before, and
According to theoretical bounds derived by Jelinek,1 full use of the 8-level channel gives
an additional gain of about 1.7 dB over the BSC for rate 1/2 bootstrap decoding. Using a
binary state stream for this channel causes a theoretical degradation of only 0.1 dB,
which is a small price to pay since the channel state computation and likelihood look-up
are direct and the table size is only four times larger than for the BSC.
The simulation program was modified for the quantized channel with binary state stream
with no significant change in speed. Simulations were performed for eight levels of
output with quantization spacing of 0.5 F for all Eb/No. Tests were conducted which
determined the optimum values for the stop factor sequence to be 2.0, 2.5, 3.0, 3.5 times
the “strongest disagree, 0 state bit” likelihood with LBACK = 10, 7 tracks, 500
information bits per track, and Eb/No = 1.91 dB. Extensive computer runs were made
under these conditions for a range of Eb/No values. The resulting computation
performance curves are shown in figure 12. The observed Pareto slopes are plotted in
figure 7 for comparison with the other simulations. The interpolated Rcomp point is at
1.7 dB, a gain of 1.4 dB over the BSC and 1.0 dB better than rate 1/2 sequential
decoding using the octal channel. Figure 7 also shows an interesting thresholding effect
for the codes plotted - the threshold is approached more sharply as code power increases.
Over 27,000 blocks were run for the 1.91 dB case (near the threshold of operation) in
order to look for any peculiar deviation in computations performance for low
probabilities of C > T. The Pareto slope remained constant over the significant range.
For this case, 190 bit errors were observed in 4 blocks for a probability of bit error less
than 2.5 x 10-6.
Conclusions Simulations have provided a great deal of experience with the bootstrap
decoding algorithm. Although a number of questions remain unanswered (e.g., effects of
channel memory and likelihood/channel mismatch), it is clear that this technique offers a
gain of about 1.0 dB over that obtainable from sequential decoding alone. Bootstrap
decoding has been shown to operate under the constraints imposed by digital
communication systems, such as those typical of deep space. A bootstrap decoding
system would be relatively complex, but appears suitable for low-to-moderate data rates
where the value of 1.0 dB is worth the cost of implementation.
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Fig. 2 - Pull-up decoder computations performance as a function of track length.

Fig. 3 - Pull-up decoder computations performance as a
function of tracks per block.
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Fig. 5 - Pull-up decoder computations performance as a function of LBACK.

Fig. 6 - Optimized pull-up decoder computations performance for the
BSC as a function of Eb/No.

Fig. 7 - Pareto exponent vs. Eb/No for several decoding techniques.
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Fig. 9 - Probability that the number of decode steps will exceed K for the optimized
pull-up decoder as a function of Eb/No.

Fig. 10 -Simple sequential decoder computations performance for the
BSC as a function of Eb/No.

Fig. 11 - Pseudo Falconer decoder computations performance for the
BSC as a function of Eb/No.
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A SHOCK HARDENED DELAYED TRANSMISSION SYSTEM FOR
TRANSIENT DATA ACQUISITION*
R. D. BENTLEY and R. L. FRITZ
Development Testing Directorate
Sandia Laboratories
Albuquerque, New Mexico.

Summary A shock hardened, delayed transmission PCM system for use in an artillery
projectile instrumentation program is reported. The output of the projectile mounted
PCM encoder is coupled to an MOS shift register memory to delay data transmission
until projectile flight, thus eliminating the requirement for a real-time transmission link
for in-barrel data. The capabilities to monitor both in-barrel phenomena and flight
performance parameters are included. Windowing of the transient, in-barrel data is
accomplished by threshold discrimination within the projectile mounted system. System
design, operation and ground support requirements are discussed with flight test results
presented.
Introduction The use of a 155 mm M2, long-tom cannon and specially modified
projectiles to provide a method of subjecting test components to high shocks (16,000g’s)
for long duration (20 msec) has created the need for a shock hardened telemetry link.
The telemetry system is to be used to monitor component performance while the
projectile is being launched from the 155 mm cannon.
A projectile mounted FM/FM system utilizing a P band RF transmitter to provide a realtime, in-bore telemetry link was reported earlier.(1) Since the cutoff frequency for a 155
mm circular waveguide is 1100 MHz, the P band (220-260 MHz) transmitter can not be
used to transmit directly while the projectile is in the barrel. To provide a means of
coupling the RF energy out-of-the-barrel during projectile launch, a wire is inserted into
the barrel and placed in close proximity to the nose mounted antenna. The wire is excited
by the RF energy and acts as a reradiator external to the barrel.
During the development of the P band FM/FM technique, considerable difficulty was
experienced in maintaining the integrity of the RF link while the projectile was
traversing the barrel. L band transmitters, designed to survive high shock levels, were
evaluated for use as the in-barrel transmission link. While these transmitters did indeed
*
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survive the gun launch environment, large shock induced transient frequency shifts
prevented RF reception with standard telemetry receivers.
Both the P band and L band transmitters survived the gun launch and operated properly
within milliseconds after the projectile exited the barrel. This characteristic suggested the
use of a data acquisition technique that would delay transmission of the data gathered inbarrel until the projectile was in-flight. A program was begun to develop a delay
transmission technique to complement the continuing development of the real-time RF
link.
System Benchmarks To properly evaluate the proposed delayed transmission
techniques, the followings system benchmarks were established.
Adaptability Since the development of the delayed transmission technique was being
pursued concurrently with the real time transmission technique, any method developed
should not be limited to the projectile instrumentation but should be adaptable to other
programs where real time RF data transmission was not possible. As a system goal the
technique should be capable of data acquisition with or without the use of an RF link.
During the development of the actual hardware it was anticipated some components
would not be shock hardened enough to withstand the environment. To facilitate
postmortem analysis of units that fail in testing and to accommodate needed design
changes, the packaging technique should lend itself readily to component replacement
and yet provide a rugged method of component mounting and interconnection. The
packaging should accommodate these design changes easily and be of a modular
construction. The modular construction would provide a broader application range
without extensive modifications to the mechanical design.
The system should provide both a real time data transmission capability and a delayed
data transmission capability. Either option should be available on command.
The format of the output data should be compatible with all RF transmitters being
evaluated for real time transmission. Since several phase modulated, crystal controlled
transmitters were being considered, the output data format should not require a DC
response in the transmission link.
Support Development Testing commitments required that a fully operational system
be available with a short lead time. This requirement as well as the expenditure usually
associated with the development of special purpose components, dictated the use of
standard, commercially available devices. In conjunction with this requirement, any
technique developed should be compatible with existing ground support facilities.

Data Quality Assurance To assure the data transmitted in delayed time was not
distorted by the delaying media, a data confidence signal should be included in the data.
A method to exercise the system in all modes just prior to launch should be included to
assure proper operation before launch.
Data Requirements A review of the 155 mm test firings requiring instrumentation
revealed any system developed should contain a minimum of 5 data channels with each
channel providing a 500 Hz frequency response. The majority of the testing
commitments require instrumentation be provided for a minimum of 15 milliseconds.
Environmental Requirements The system should survive and operate during a launch
acceleration of 16,500g’s, 15 msec haversine, coupled with an angular acceleration of
320,000 rad/sec2 of the same duration and signature. The delayed transmission is to be
operative following the above shock signature and during the subsequent spinning
projectile flight. The projectile will be spinning at approximately 250 rev/sec.
The system is to operate over the temperature range of -40EC to +80EC.
Support Constraints Due to short lead times allowable in the 155 mm test program,
the requirement to develop a technique within existing device technology and existing
ground support facilities was deemed paramount. A review of the ground support
facilities revealed equipment was available to support either an FM/FM or a PCM/FM
telemetry link.
The RF link could be P, L, or S band as telemetry receivers were available for support in
these three frequency bands.
These support facilities required either the data be transmitted within a few seconds after
the projectile exited the barrel or be stored in some nonvolatile media for interrogation in
the laboratory. Package recovery and subsequent laboratory interrogation eliminated the
capability of providing quick-look data in the field and the use of this technique also
inhibited full operation checkout just prior to launch. Both of these features could be
achieved by using a standard PCM encoder with a temporary storage capability and
reading out the data in an acceptable PCM format.
A six bit PCM encoder provided sufficient accuracy to satisfy the data requirements and
a sample rate of 2500 samples/sec/channel provided the required channel bandwidth
requirements. Temporary storage of the data obtained from five channels in the 20 msec
period the projectile is traversing the barrel would require 250 words,,or 1500 bits, of
memory capacity, exclusive of any “quality words” or synchronization information. To
satisfy the “quality word” requirement and provide sufficient synchronization

information should the rapid variation in the RF energy received from the spinning
projectile result in “burst” records, a major and a minor synchronization pattern were
included in the memory. The resultant 1800 bit storage and transmission format is
depicted in figure 1. Arranging the format in the matrix form shown offered several
advantages when the ground support capabilities for decommutation were considered.
The major sync selected for the 1800 bit main frame was a 30 bit (5 word) code in
accordance with NASA-X-560-63-2. Each six word time slot contains a minor sync
pattern and the desired 5 analog channels with a complementing minor sync pattern used
on alternating 6 word groups. Forty-nine samples of each channel are obtained and
stored in one memory load cycle.
The data format of figure 1 could be decommutated using either of two methods. The
first would consider the format shown as a PCM frame containing 300 words with 5
words of synchronization data per frame. By programming the variable radix counters
that controlled the decommutation in a 6 x 50 configuration, the apparent supercommutated data could be easily stripped out with DAC’s controlled only by the
1 through 6 count. The second method would define the PCM format as containing a six
word frame and the frame synchronization pattern would be the minor sync pattern.
Since the minor sync is complemented every 6 words the PCM decom would be
programmed to accept a “Frame Complementing” synchronization code. The major sync
pattern would then be defined as a unique recycling subframe code and would be used to
identify the beginning of the memory cycle. Again the DAC’s would require only a
1 through 6 count for decommutation.
An MOS shift register, formed into a continuous loop for storage, offered the simplest
memory design since it was directly compatible with the serial PCM output. The
PCM/shift register system is placed in an arm condition before launch such that logical
zeroes are continuously shifted within the register. Upon firing, major sync is first read
into the register followed by the remaining format. This insures major sync is in the
register for data synchronization in the event the shift register loop is closed prematurely.
Initiating the storage cycle is a critical factor due to the limited memory capacity. The
timing problems associated with initiating the memory storage cycle from ground control
are prohibitive; therefore, initiation is coupled to projectile motion to insure proper
windowing of the desired transient data.
The PCM system, as depicted in the block diagram of figure 2, consists of two sixchannel multiplexers, a six-bit successive approximation Analog to Digital Converter
(ADC) and a recirculating MOS memory for temporary data storage. Multiplexer
selection is controlled by a programing or control section which allows one bank of six
analog channels to be monitored at a time. The NRZ-L PCM encoder output can be

channeled into the MOS memory for storage or the memory can be bypassed. Either
information source (memory contents or direct PCM encoder output) can then be
selected and passed through a Bi-Phase-Level converter section and pre-mod filter to the
transmitter.
System operation can best be explained by considering a requirement to monitor two
events which occur at different times during a projectile flight. One multiplexer would
time sequence in-barrel data channels while the other multiplexer would sequence the
out-of-barrel data channels. After tile projectile is inserted into the gun barrel, the PCM
system is armed (memory cleared to all zeroes) and the six in-barrel data channels are
monitored. Upon firing, memory store cycle is initiated when the digitized output of a
preselected in-barrel data channel exceeds a programed threshold voltage. This event
will enable the MOS memory input from the PCM encoder. Once the MOS register is
filled to capacity with in-barrel PCM data and synchronization patterns, the register input
is switched from the PCM encoder output to the register output to provide recirculating
storage. The MOS shift register contents will then be continuously recirculated (as long
as power is supplied) providing storage of the in-barrel information.
Once the gun barrel is cleared, the in-barrel information stored in the recirculating MOS
memory is transmitted upon command of tile programer, avoiding transmission problems
associated with the in-barrel environment (transmitter stability, etc.). During the
remainder of the projectile flight information can be transmitted in real time from either
multiplexer.
Packaging Three approaches were considered for packaging the system in the
projectile space available: standard printed circuit boards, cordwood modules, and
hybrid. Each was evaluated based upon size, ruggedness, repairability, and development
time required. The hybrid method, while offering small size which is advantageous for
the gun environment, required an excessive development time. The alloted space
eliminated the printed circuit technology due to the complexity of the system. Cordwood
construction offered a compromise between hybrid and PC boards when considering size
restraints. In addition to dense component packaging, cordwood modules with welded
component interconnections offered an extremely rugged construction technique yet
maintained repairability.
A complete system constructed using the cordwood welded module technique is depicted
in figure 3.
Each integrated circuit planned for system use was subjected to 10,000g’s @3.0
milliseconds in a 5 1/2" airgun as a shock qualification test. Standard off-the-shelf
devices were employed in the majority of the design with the only non-standard items
being state-of-the-art 900 bit MOS shift registers.

Extensive air gun testing was performed on the pre-regulator and DC/DC converter due
to the critical nature of this circuitry. Both static and dynamic testing were performed
until considerable confidence was attained.
The complete system was statically tested in the air gun prior to actual flight in the 155
mm cannon. This preflight screening philosophy was intended to locate weak
components before committing the system to an actual gun launch.
Pre-Launch Check Three control lines are available for pre-launch exercise of the
system. One control line provides output selection while Four possible combinations
the remaining two are used for memory control. of the memory control lines allow:
a.
b.
c.
d.

Clearing the memory.
Recirculating a main frame.
Shifting data with no recirculation.
Arming the system.

These four combinations allow complete system checking. First, the memory can be
cleared (all logic 0 state) or the system can be forced to recirculate a main frame to check
storage capability. Next the NRZ-L from the PCM encoder can be shifted through the
MOS register to confirm real-time operation.
To conclude pre-launch check, the system is placed in the armed position which clears
memory. The memory can only be loaded in this position when a preselected analog
channel exceeds a programed threshold.
System Testing Two test firings leave been conducted employing the PCM/shift
register memory systems. These test firings were conducted at Sandia Corporation’s
Tonopah Test Range in Nevada. The projectile launch and data reception technique is
depicted in figure 4.
The projectile containing the telemetry system is launched from a 155 mm rifled-barrel
cannon at an elevation angle of 85E. The use of a high gain tracking antenna and fan
beam fixed antenna provide for data reception during the projectile flights The fan beam
antenna provides coverage during the lower portion of the trajectory with the high gain
tracking antenna providing coverage during upper portion of projectile flights At an
altitude of approximately 21,000 feet the projectile passes through a radar window and is
tracked to impact to provide supplementary tracking data for the antenna and to aid in
recovery. The spin stabilized projectile reaches an apogee of 10 miles in approximately
45 sec. A nose up attitude is maintained past apogee and a nose-mounted Parachute is
deployed shortly after the projectile begins its base-first descent. Parachute retarded

descent requires approximately 450 seconds from chute deployment and impact occurs
base-first at a velocity of 80 ft/sec.
A block diagram of the projectile mounted telemetry system is shown in figure 5. During
development testing, acceleration data from, each of three accelerometers were
monitored as well as the +28v bus and the memory cycle initiate signal. System power
during launch and flight is provided by an electric match initiated ammonia activated
battery reported earlier(1). The L band transmitter is a single transistor, free-running
voltage controlled oscillator that provides approximately 400 mW of output power. An
internal 10 db pad is used to isolate the transmitter output from variations in load that
can occur during projectile launch and subsequent flight. The antenna is an integral part
of ogive and is a modification of the Halo antenna developed by Ballistic Research
Laboratories(2). Since the ogive contains the parachute recovery system, the RF link is
terminated when the parachute is deployed.
After the projectile has been inserted into the cannon and prior to launch, all modes of
operation are exercised. This is accomplished through the use of an umbilical cable
connected to the projectile through the muzzle of the cannon. After the cannon has been
elevated and the internal battery has been activated, the control cable is extracted. The
projectile is launched approximately 60 seconds after battery initiation.
Test System Packaging The 155 mm test projectile is shown in figure 6, with the
internally mounted telemetry components shown in figure 7. the upper portion of the
package contains the battery and the L band transmitter. Interconnection of this section
to the lower section containing the remainder of the system is made via a terminal board
and connector. Mechanical support of the components mounted in the lower assembly is
achieved by tightly packing them in moist brown sugar. The entire lower assembly is
then held under vacuum at a temperature of 130EF for 18 hours to remove the moisture
from the sugar and cause the grains to adhere to each other. Figure 8 is a telemetry
system packed in brown sugar that was launched with a setback acceleration of
12,500g’s.
Test Results The first full system test was conducted in January 1971 at ambient
conditions and a launch acceleration of 12,500g’s. The L band RF link was maintained
during first 10 sec of flight through the fan beam antenna coupled to a polarization
diversity combining system. A transient signal, introduced when the umbilical was
severed, prematurely loaded the memory causing the launch acceleration signature to be
missed. However, the contents of the memory were read out properly during the
projectile flight. Post-mortem of the system revealed the case of the reefing cutter used to
sever the control cable was not sufficiently grounded and had introduced the transient
signal. It was also determined the in-barrel multiplexer had failed during the projectile

flight. Examination of the multiplexer chip revealed the flying leads used were longer
than necessary and had shorted together during the flight of the spinning projectile.
The second test was conducted in February 1971 with the system preconditioned to
-20EC and launch acceleration of 12,500g’s. The memory was properly initiated during
this test and the acceleration signature was stored in the shift register. This signature is
shown in figure 9. The RF link was maintained on both the fan beam and the high gain
tracking antennas through the majority of the flight.
Future Efforts Based upon the results of the first two tests, two additional systems
were fabricated. These systems will be tested in May 1971 at launch accelerations of
14,500g’s and 16,500g’s.
On future systems, the length of the flying leads will be carefully controlled by the
multiplexer manufacturer to eliminate shorts induced by the centrifugal forces. In
addition, a design change has been incorporated to reduce the readout rate of the
memory. This reduced rate will allow the memory content to be read out on a VCO and
thus allow the remainder of the baseband to be used for real-time data.
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PRELIMINARY REPORT ON THE DEVELOPMENT OF A
CRYSTAL-CONTROLLED L-BAND ARTILLERY
TELEMETRY TRANSMITTER
J. F. RICHARDSON
Harry Diamond Laboratories
Washington, D. C.

Summary Harry Diamond Laboratories (HDL) has a need for gun-rugged UHF
telemetry transmitters for use in research and fuze testing programs. An in-house design
program was started because of the specialized performance requirements for artillery
electronics. This is the first status report on the effort.
UHF transmitters are extremely sensitive to physical deformation because small
dimensional changes produce reactance changes that can cause an appreciable change in
frequency. Since ruggedized crystal-controlled oscillators limit the frequency shift to low
levels and therefore permit early acquisition of artillery telemetry signals; a prototype
transmitter was constructed to determine the degree of efficiency and compactness that
could be obtained at L band. A compact 1510-MHz transmitter having an efficiency of 6
percent at an output power level of 160 mW is described. Physical dimensions are such
that the transmitter can be readily potted in any artillery telemetry housing currently in
use. Temperature compensation and gun ruggedization tests are currently in progress.
Introduction Implementing the Department of The Army mandate to convert telemetry
equipment from VHF to UHF required considerable in-house and contractual efforts to
develop ruggedized components for application in the 1435 to 1535-MHz telemetry
band. As a result of these efforts a high shock crystal was developed at HDL and a gunrugged step recovery diode (SRD) capable of high-order harmonic generation was
developed under HEIL contract by Hewlett-Packard Associates (HPA). Both of these
components have survived tests at shock levels up to 70,000-g, a level judged sufficient
for current artillery applications.
The need remained for compact, efficient UHF circuitry that could be potted in artillery
telemetry housings with the accessory hardware currently employed at VHF. The
development of a prototype L-band transmitter was undertaken to fulfill this need.
System Configuration A block diagram of the prototype is shown in figure 1. The
transmitter contains four interconnected 1-1/2-in diameter modules. Components for the

modulator, crystal oscillator, and 75-MHz power amplifier were mounted on a single 11/2-in diameter printed circuit board. The multiplier, filter, and 1.5-GHz amplifier
sections were assembled on three separate boards. Stripline circuitry was employed to
confine the electric field to the region between ground planes and thereby reduce the
detuning effects caused by subsequent encapsulation. Input and output impedances were
kept at 50 ohms to facilitate electrical testing of the individual modules and to allow the
transmitter to be assembled with minimum redesign.
Modulator, 75-NHz Crystal Oscillator, and Power Amplifier In the schematic
diagram shown in figure 2, transistors Q1, Q2 , and Q3 are the modulator,, crystal
oscillator, and power amplifier stages, respectively. These components are mounted on a
1-1/2-in diameter circuit board as shown in figure 3. The quartz crystal shown in the
center of the board was developed by HDL to withstand gun-launched accelerations up
to 70,000-g.1
The crystal oscillator is a modified Colpitts type utilizing a 2N3553 transistor in a
common base configuration. Temperature tests over a -40E to 90EC range indicate that a
frequency stability of 0.002 percent can be obtained with oscillators of this type.
In telemetry applications, the transmitter is modulated by a subcarrier oscillator (SCO)
whose frequency is modulated by the desired data. The SCO output is applied to
transistor Q1, and appears across capacitor C3 , which also serves as an RF ground for the
base of the crystal oscillator. Measurements of the resulting spectrum at 1.5 GHz yielded
a phase modulation sensitivity of 13.1 radians/volt (fig. 4).
In phase modulation, the frequency deviation is directly proportional to the modulating
frequency, so higher SCO output voltages are required at lower subcarrier frequencies.
With a 70-kHZ subcarrier, a r.m.s. output voltage of 136 mV is required to obtain a
deviation of ± 125 kHZ. Using a 165-kHZ subcarrier, the same deviation can be obtained
with a 58-mV output.
When Q1 is driven by the mixed outputs of several SCOs, the output voltages must be
adjusted in the ratio of the three halves power of their frequencies to maintain the same
signal-to-noise ratio in each channel at the receiving station. For standard I.R.I.G.
frequencies of 22, 40, and 70 kHZ, the output voltages required to obtain a total
deviation of 125 kHZ are 50, 65, and 85 mV.
Step-Recovery Diode Multiplier Since it was desirable to minimize the number of
tuned circuits and tuning adjustments in order to facilitate the encapsulation procedure, a
1
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single step-recovery diode (SRD) was employed to provide a frequency multiplication
factor of twenty. A detailed analysis of the input impedance of a SRD multiplier was
performed by Hewlett Packard Associates (HPA) under an HDL contract. This analysis
showed that the input impedance of a network consisting of the drive inductance L and
an SRD can be represented by a parallel equivalent impedance containing an inductive
reactance in parallel with a resistance. In the multiplier schematic shown in figure 5
capacitor CT resonates with the equivalent inductive component of the input impedance
at the input frequency and provides a low impedance path for most of the spectral
components of the diode-generated pulse. The equivalent resistive component is then
matched to the 50-ohm source impedance by means of the LM-CM matching network.
Choke LCH provides RF isolation for the self-bias resistor R1 , and coupling capacitor Cb
provides d-c isolation from the source. Component values were initially taken from
HPA2 and experimentally adjusted.
Unlike a conventional diode, the conduction angle of an SRD is very large since charge
stored in the diode during the forward current portion of the cycle maintains the diode in
the conducting state over a major portion of the reverse current cycle. Near the end of the
reverse current cycle, the stored charge is depleted and at this instant, the diode becomes
an uncharged capacitor. Energy stored in the field of the drive inductance L is then
transferred to the capacitor, and the exchange of energy that follows would produce the
typical ringing waveform of an RLC circuit if the diode remained in its off state. Since
the second half cycle of the transient drives the diode into conduction, the resonant
action is destroyed, and a single pulse having a width approximately equal to one-half
the period of the output frequency is produced once each input cycle.
The diode generated pulse enters the output line where it undergoes multiple reflections
from the output and diode ends of the line. Reflections at the output end occur without
phase reversal, while those at the diode or shorted end occur with phase reversal. Since
the pulse traverses a distance of one-half wavelength between output reflections and
returns each time with its phase reversed, a damped waveform appears at the output.
Output capacitor C was experimentally adjusted, and the line length, appropriately
foreshortened, until the maximum amplitude in the damped output spectrum appeared at
the 20th harmonic of the input frequency. In this state the damped waveform could be
filtered to obtain a CW output with little loss due to rejected sideband energy.
A photograph of the metalization pattern and a completely assembled multiplier is shown
in figure 6. The resonant line has a characteristic impedance of 50 ohms, since lower
impedance lines loaded the diode and reduced the multiplier efficiency. The multiplier
was assembled by soldering the lumped components to the metalization pattern placed
2
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on a 1-1/2-in diameter Teflon fiberglass disk and then eyeleting this assembly to a
second disk. The unit so sealed is almost completely shielded electrically by the outer
ground planes thereby minimizing the detuning effect of the encapsulant.
Interdigital Filter Undesired harmonics of the 75-MHz fundamental are attenuated at
the multiplier output by a five-element interdigital filter having a center frequency of 1.5
GHz, a fractional bandwidth of 5 percent, and a temperature coefficient of 185 kHZ/EC.
With this, the amplitude of the closest 75-MHz harmonic was 45 dB below the 1.5-GHz
carrier. A photograph of the filter and its metalization pattern is shown in figure 7.
Resonator widths and spacings were computed from equations given by Mathaei3 et al.
The measured filter insertion loss was 5 dB as predicted from L band measurements of
the dissipation factor of the dielectric employed in the stripline. A similar estimate from
manufacturers data indicated that the insertion loss can be reduced to 2 dB by employing
50-mil alumina substrates.
L-Band Amplifier The 1.5-GHz output from the filter is amplified to a level of
160 mW in a one-stage amplifier employing a 2N5715 transistor. A photograph of the
amplifier is shown in figure 8, and its schematic representation is shown in figure 9,
Values for the components of the input and output matching networks were
experimentally determined. The collector is connected to the d-c supply through the
center conductor of eyelet feedthrough capacitor C4 which also provides an a-c ground
for inductor L1. Input bias is supplied through a quarter wavelength line terminated by
feedthrough capacitor C3.
Future Plans A photograph of the prototype transmitter is shown in figure 10 and its
characteristics are tabulated in table 1. Future plans call for a continuation of the
development effort in the areas of temperature compensation and g-hardening.
The crystal oscillator -provides adequate frequency stability over the -40 to +60EC
temperature range but additional compensation in the multiplier and power amplifier
circuits will be required to maintain the transmitter power output level constant. As
shown by Hamilton and Hall4, the value of the multiplier bias resistance R1 is directly
proportional to the diode lifetime. Since the lifetime increases almost linearly with
temperature at a rate of +0.5 to 0.7 percent/EC, the multiplier output can be maintained
3
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constant by replacing R1 with a silicon resistor. In a similiar manner, it should be
possible to stabilize the amplifier stages by replacing the fixed bias resistors with
appropriate temperature compensating resistors. The filter has adequate bandwidth and
needs no compensation.
With the exception of the low loss capacitors and the 2N5715 transistor, all circuit
components have been qualified for an artillery environment. Prototype printed circuit
boards have not been qualified, since it is intended to fabricate the final version on
ceramic substrates. The entire unit will be tested at shock levels up to 40,000-g,
following current shock tests on the capacitors and the 2N5715 transistor.
Table 1
Frequency
RF Power Output
Efficiency
Spurious Outputs
Modulation
Size
Output
Shock and Spin
Temperature

-

1510-MHz
160-mw into 50 S
6 percent with 13-V d-c supply
40-dB below carrier
P.M. (see figure 4)
Fits in a 1-1/2-in diameter by 1-1/2-in long cylinder
Semirigid coaxial cable with Sealectro connector
Presently under test
Not tested

Fig. 1 - L-Band Transmitter Block Diagram

Fig. 2 - Modulator, 75-MHz Crystal Oscillator, and Power Amplifier

Fig. 3 - Modulator, 75-MHz Crystal oscillator, and Power Amplifier

Fig. 4 - Modulation Sensitivity

Fig. 5 - X20 S.R.D. Multiplier Schematic

Fig. 6 - X20 S.R.D. Multiplier

Fig. 7 - 1.5 GHz Interdigital Filter

Fig. 8 - 1.5 Ghz Amplifier

Fig. 9 - 1.5-Ghz Amplifier Schematic

Fig. 10 - L-Band Transmitter

DIELECTRIC-LOADED CONFORMAL SLOT ANTENNAS FOR
TELEMETRY APPLICATIONS
H. S. JONES, Jr.
Microwave Branch
Harry Diamond Laboratories

Summary The design and construction of a variety of slot antennas that conform to
conical, ogival and cylindrical surfaces are described. These antennas are dielectricloaded cavities or waveguide radiators with very thin metallic walls that are efficient and
simple to fabricate. Some are fabricated from low-loss copperclad dielectric materials.
Other designs involve the process of electroless copperplating over a dielectric substrate
to form the cavity. radiating slots are cut after the cavity configuration is formed. The
feasibility of these antenna designs and the construction methods employed have been
fully demonstrated.
Many important advantages are derived from the use of the technique. It is highly
suitable for the design of telemetry antennas in the L-band region. Antennas of this type
lend themselves to flushmounting and can be easily designed to radiate through a
dielectric window. Design parameters are easily controlled, thus allowing good overall
electrical performance with consistent and reliable results for production quantities.
Because they can be constricted to conform to the structures on which they are mounted,
very good radiation pattern coverage is obtainable. Most models tested have good
voltage standing-wave ratio characteristics and are capable of operating over at least a
101, bandwidth. Complete antenna systems with varied configurations have been
designed in the frequency range from 1.0 to 2.5 GHz, yielding highly satisfactory results
and at very low cost.
Introduction The change in the telemetry band to the L-band region has generated a
need for antenna designs that are efficient, functional and capable of satisfying the many
physical as well as electrical requirements imposed by the various sophistated electronic
systems. The techniques employed in the design of the dielectric-loaded conformal slot
antennas have proved to be a practical approach to satisfying many of the requirements.
The effect of the dielectric loading of waveguides or cavities is to reduce its wavelength
and phase velocity, and lower its cutoff frequency. Consequently, when the waves travel
in a dielectric medium whose relative dielectric constant is greater than unity, a smaller
vol-cuae cn bc utilized for transmission of energy over a select frequency band. Thus, the

cross-sectional area of dielectric-loaded waveguide can be considerably lebs than that for
air-filled waveguide transmitting the same band of frequencies. For uniform lossless
dielectric material, the propagation constant ( is expressed as

where , is the dielectric constant, 8 is the wavelength in free space, and 8c the cutoff
wavelength.
Antenna Materials In recent years, high quality, well. controlled dielectric mp,terials
with excellent physical and electrical characteristics capable of being fabricated in many
desired configurations have been developed. The application of these new materials
coupled with the basic theories and techniques deso-ibed herein has figured prominently
in the advancement in the state-of-+he-art of microwave antenna systems. Thus, it is this
approach that has been pursued to develop the thin-wall conformal slot antenna designs
for telemetering. Antennas have been designed in configurations that are planar, circular,
or conical.
Typical antenna wall thicknesses vary from 0.1 to 0.25 inch, depending on the
application. The dielectric substrate materials are generally epoxy fiberglass and teflon
fiberglass with a dielectric constant of 2.8 and 3.5, respectively. Other materials with
higher dielectric constant values can be used, which tends to lower the overall volume.
However, in each case only the low-loss materials are considered.
Antenna Designs and Illustrations The basic antenna is a loaded cavity, designed for
resonance in the vicinity of the operating frequency. The radiating slot is cut in the broad
face and is approximately 8/2 in length. The cavity is fed from coaxial line whose center
conductor is across the cavity near the slot to perturb the electromagnetic field. A single
slot in a plane is shown in figure la, along with its voltage-standing wave ratio
characteristics. Other designs can be configured as a dielectricloaded waveguide with
multiple radiating slots.
These antennas can be used advantageously for a wide variety of applications, occupying
only a small volume of the surface structure. An Illustration of some typical designs that
have been developed are shown in figure 1. Here, two cylindrical L-band antennas with
circumferential radiating slots mounted on a cylinder are shown (lb) along with a typical
radiation pattern that is off the normal axis (excited in the proper phase). Circular and
semi-circular versions are shown in figures lc and ld. These techniques have been used
successfully in the design and construction of antennas in the frequency range from UHF
to X-band, which includes planar arrays with conical and cylindrical surfaces.

An L-band telemetry antenna along with a specimen of the dielectric substrate before
plating is shown in figure 2. This is a dual-cavity design with each half containing a
radiating slot and a separate feed. The Antenna is a highly efficient radiator, the gain of
each section is greater than 3.0 dB, and the VSWR is less than 2.0 measured over a
20041Hz bandwidth. It is well constructed, and the adherence of the copper (0-003-in.
thick) to the dielectric is very strong.
Conclusion The above techniques lend themselves quite well to the design of antennas
for use on curved surfaces. The results obtained from each design have been highly
satisfactory. Aside from their good efficiency, other salient features are found in their
low construction cost, design compactness, and the ability to be produced in integrated
functional designs.

FIG. 1. DIELECTRIC-LOADED ANTENNA DESIGNS

FIG 2. L-BAND DUAL CAVITY ANTENNA WITH
DIELECTRIC SUBSTRATE

PROJECTILE HIGH-G TELEMETRY FOR LONG RANGE
DYNAMICS MEASUREMENTS
WILLIAM H. MERMAGEN
Ballistic Research Laboratories
U. S. Army Aberdeen Research and Development Center
Aberdeen Proving Ground, Maryland

Summary Devices to measure the pitching, yawing, and rolling motion of a projectile
from on board and telemeter the measurements to ground receiving stations have been
developed. Two of these devices, a solar aspect sensor and an accelerometer, are
described in detail. The complete telemetry system with g-hardening to survive gunlaunch accelerations is described and techniques for high-g are discussed. The results of
several recent flight tests of these yawsondes are presented and show the unique
usefulness of the instruments for measuring dynamical behavior of projectiles over their
entire flight paths. Hitherto such information has not been available to the shell designer
or the aerodynamicist.
Introduction The dynamical pitching, yawing, and rolling motion of a projectile is
usually measured and observed in aeroballistic ranges using conventional spark
shadowgraph instruments (1). Such measurements are restricted to the first several
hundred calibers of trajectory and quite often cannot predict the future motion of the
projectile during its mid-course and terminal flight. On-board sensing devices such as
sunsensor and accelerometer yawsondes as well as high-g telemetry circuits have been
developed to measure the motion of a shell over its entire flight path and transmit .-he
results to ground receiving stations.
High-g telemetry systems have been developed over the past decade (2-5) and have
become moderately reliable in transmitting flight data. Such systems operate at veryhigh-frequencies (VHF) or ultra-high-frequencies (UHF) and include bopnisticated
subassemblies such as voltage-controlled oscillators (VCO), commutators, voltage
regulators, amplifiers, and similar electronic circuits. Although the electronic
subassemblies have been well developed, each particular application poses additional
problems to be evolved. Projectiles with high spin rate may produce failures in payloads
which had previously survived high accelerations in slowly spinning shell. In fact, minor
changes in electronic components and assemblies always require additional preflight
g-testing to establish confidence in performance and to weed out potential failures.

Two methods of measuring dynamical motion have been developed and are discussed in
this paper. The one method uses solar aspect sensors to give periodic data on the angle
between the axis of the projectile and the sun. This sensor requires clear, sunny days and
can be used only at certain hours of the day. It produces two-dimensional data (spin rate
and solar aspect angle) on the motion of the shell which in reality executes three
dimensional motion (spin, pitch, and yaw). Sophisticated data reduction techniques are
needed to extract the three dimensional motion of the projectile from the twodimensional data. The second method of dynamical sensing uses accelerometers
mounted normal to the axis of the shell at some distance from the center of gravity. This
method produces data on the forces and moments acting on the projectile. The
aerodynamic behavior is a direct result of measurement. Accelerometers can be used
independent of weather conditions or time of day.
In both methods the data are taken electronically, amplified, transmitted, received,
recorded, and played back for analysis. Additional supporting instrumentation must be
provided on each test firing so that the telemetered data can be properly interpreted. Such
supporting measurements as meteorological conditions, elapsed time, and radar track of
the trajectory must be obtained and recorded.
In this paper the solar aspect sensing instrument and the accelerometer instrument will be
discussed. The VHF telemetry systems with calibration methods will be described and
some results of recent flight tests will be shown.
Solar Aspect Sensing Telemeter The theory of operation of a solar aspect sensing
system has been described in detail elsewhere (6) but will be reviewed here in brief for a
fuller understanding of the electronic system. Information about the attitude of a
projectile in flight can be obtained by a simple aspect sensing system using a pair of
silicon solar cells mounted behind slits which define narrow, tilted fields of view. These
slits are positioned on the surface of a projectile so that the sun can enter the slits as the
shell rotates in flight. The system in its present design can only be used with spinning
projectiles and indeed where the spin rate is an order of magnitude greater than the
expected pitching or yawing rates.
The fields of view of the two slits form a V in space as shown in Figure 1. As the
projectile rotates about its axis in flight, each field of view in turn intercepts the sun.
When the solar cell associated with the illuminated slit is irradiated by the sun it
produces a voltage output. Since the slit sweeps past the sun, the voltage output of a
solar cell is a pulse whose duration depends on the spin rate of the projectile. The time
between successive solar intercepts by the two cells depends on the angle between the
missile axis and a vector drawn from the missile to the sun (called the solar vector). As
the missile nose tilts towards the sun (in the geometry of Figure 1) the time between
intercepts increases. As the nose tilts away from the sun the time between intercepts

decreases. If the roll rate is constant, a simple relation between intercept time interval
and solar aspect angle can be derived (6). The data from the sensing system, then, consist
of pulses from the silicon cells. The phase relationships between the pulses are direct
functions of the aspect angle of the projectile. The frequency of occurrence of alternate
pulses (pulses from the same cell) is simply the roll rate or spin of the missile.
If the pulses can be identified or labelled in some way, it becomes possible to determine
the roll direction of the missile. The roll orientation of a spin-stabilized projectile is
known because of the direction of rifling in the gun tube. For fin-stabilized shell,
however, it may become important to know in which direction the projectile is rolling. A
complete revolution in roll of the projectile is needed in order to make a single aspect
measurement. If the roll rate and the pitch-yaw frequencies are in the same order of
magnitude, then the projectile is changing its aspect substantially during a single
revolution and the resulting data are indeterminate.
a) Data transmission is accomplished through an FM/FM telemetry link. A block
diagram of the telemeter, which consists of amplifier, VCO, and radio-frequency
oscillator (RFO), is shown in Figure 2. Since the sunsensor slits are narrow, the useable
area of the silicon photovoltaic cells is small and the output is typically in the order of
tens of millivolts. The cell output, then, requires amplification. In the amplifier the
polarity of one of the cells is inverted for identification purposes. The amplifier circuit
diagram is shown in Figure 3a. The amplifier itself is an integrated circuit with
appropriate external resistors and capacitors added to provide a nominal gain of 200.
With normally incident sunlight, the pulses will be clipped. This is done so that at
extreme angles of solar incidence a reasonable pulse height will be produced to modulate
the VCO. The amplifier operates with a capacitor on each input to eliminate d.c. offset.
No phase errors are introduced into the pulse data using this particular ic. amplifier.
The voltage-controlled oscillator (Figure 3b) is a multivibrator with a wave shaper on the
output. The center frequency was chosen to be 70 KHZ to insure reasonable frequency
response for the pulse information, Some solar sensor system designs have the data
pulses modulate the RF carrier directly in hopes of higher frequency response. Such a
method allows unwanted noise and RF interference as well as amplitude modulation
during transmission. The data from a single flight consist of thousands of pulse
ensembles which require automatic data handling and reduction. Spurious noise or
amplitude changes complicate the data processing and occasionally make automatic
reduction impossible. Although the FM/FM system has a reduced response, as long as
the leading edges of the pulses are altered consistently and the phase relationships are
not changed, error should not be introduced by using a VCO.
The radio-frequency oscillator, Figure 3c, is a simple tuned-base, tuned-emitter circuit
which develops up to 0.2 watt into 50 ohms at 250 MHz. Even though not crystal

controlled, the RFO is stable and does not shift more than 0.5 MHz at gun-launch
accelerations up to 60,000 g. The RFO is coupled into the antenna using a capacitor to
match impedances. The antenna is the projectile itself split into two parts to form an
asymmetric dipole. The characteristic impedance of the antenna is several times greater
than 50 ohms and will change due to high-g launch. This simple design of RFO is
insensitive to pulling and the center frequency does not shift more than 0.5 MHz
provided the VSWR in the antenna circuit is less than 10:1. The electrical characteristics
of the telemeter are summarized in Table I.
TABLE I
VHF TELEMETRY SYSTEM PARAMETERS
Transmitter Power, nominal
Transmitter Frequency, nominal
Transmitter Freq4 Peak Deviation
Transmitting Antenna Gain
Subcarrier Center Frequency, nominal
Subcarrier Deviation, ± 2.5 V input
Type of Data Transmission
Amplifier Gain, nominal
Solar Cell Output (with slit), nominal

200 mw
250 Mz
±200 KHz
- 10 db
70 KHz
± 15%
FM/FM
200
100 mv

b) The transmitting antenna is simply the body of the projectile itself. Two parts of the
body of the shell are insulated from each other using a threaded fiberglas joint as shown
in Figure 4. The joint is located as far forward on the body as possible to eliminate
possibility of mechanical failure. The nose of the missile is torqued to the main body
through the fiberglas joint to provide a prestress of 10,000 psi. Pre-stressing provides an
added safety margin to keep the projectile intact during launch.
The result of this design is an asymmetric dipole antenna which must be matched to the
transmitter using a small capacitor in parallel with the radiation gap. The antenna pattern
is shown in Figure 5. The existence of several very wide lobes insures that the RF signal
will be received despite large changes in curvature of the trajectory.
c) Potting of all electronic and mechanical assemblies is required to survive the high
launch accelerations. Potting is done with epoxy resins such as Epon 815 with
flexibilizer Thiokol LP-3, or with Stycast 1090SI. The transmitter section is usually
potted with the Stycast resin because of its low loss factor and reduced capacitance in
comparison with Epon 815.

d) Electrical power for the telemeter is derived from commercially available NickelCadmium rechargeable cells. The NiCad cells are small, come in stacks, and are
available in 50-, 100-, and 250-mah capacities. These batteries have routinely survived
accelerations as high as 60,000 g. They require an external turn-on device such as an
inertia switch.
e) Calibration of the solar aspect sensing yawsondes is done with a light source, a
precision table, and various readout instruments as shown in Figure 6. Parallel light is
formed by collimating the output of a zirconium arc lamp and is passed through a
chopper to produce pulses of light. The beam of light pulses is allowed to fall incident on
the projectile in the region of the solar sensors. The projectile is located on a precision
turntable so that it can be rotated about its longitudinal axis as well as about an axis
perpendicular to the longitudinal axis.
The light beam is aligned to fall on the missile exactly perpendicular to the longitudinal
axis using a reflective system of mirrors (8). The alignment accuracy is better than 0.001
degree. Readings are then taken of the current setting of the rotary precision table and
further calibration readings will be referenced to the normal alignment reading. Normally
incident light is considered to be zero degrees of yaw. The projectile is now rotated
about its longitudinal axis until each sensor in turn sees the light beam. This, of course,
produces a change in the VCO which is observed on an oscilloscope. The roll orientation
of the missile is recorded when each sensor gives an output. The difference in roll
orientation versus yaw is the calibration of the solar aspect sensing system.
The output of the VCO must be monitored rather than using the transmitter to relay the
pulses to a receiver. If the transmitter is turned on, calibration personnel affect the
transmitter frequency by handling the projectile or simply moving about in the same
room and a calibration is most difficult to obtain. The precision rotary table is accurate to
5.0 minutes of arc while the rotary head reads to 15.0 seconds of arc. The calibration,
then, is accurate to better than 0.05 degree and has been repeatable to within 0.1 degree.
Acceleration Sensing Telemeter During the past several years, accelerometers which
can survive high accelerations became commercially available and have been fired from
guns to provide direct in-flight measurements of the moments acting on a projectile.
a) The accelerometer chosen for projectile use is a Columbia Research Corporation
Model 1105-1 and is a special modification of their standard accelerometer to
accomodate high cross-axis accelerations. The accelerometer has two perpendicular
sensitive axes and is used with these axes mounted perpendicular to the longitudinal axis
of the projectile. The sensing elements are piezoelectric crystals which are coupled to
field effect transistors (FET) for low output impedance. The sensitivity of each axis is 10
mv per g at low frequencies. The response of the accelerometer is flat from 0.5 Hz to 40

Hz aid can be calibrated to as low as 0.1 Hz. voltage limiting circuit is built into the
accelerometer to keep the high accelerations experienced in the gun from producing
excessively high voltages at the FETs. Preliminary tests of the accelerometer have shown
it capable of surviving 45,000 g cross-axis accelerations while in the gun and
subsequently measuring 0.5 g along the sensitive axes.
b) Data transmission for the a ccelerometer telemeter is almost the same as for the solar
aspect sensor. An additional VCO is needed for the extra data channel. Two integrated
circuit amplifiers are used to boost the millivolt data signals to the volt levels needed for
the VCO’s. Since amplitude accuracy is important for acceleration data, an in-flight
calibrator is built into the accelerometer telemeter. The calibrator derives reference
pulses from a zener diode source and imposes the reference pulses on each channel of
accelerometer output. The data transmission chain is shown schematically in Figure 7. A
sample data output from one channel with reference pulses is shown in Figure 8. Of
course, while the in-flight calibrator is ON, data from the accelerometer is interrupted.
The calibrator produces about one reference pulse per minute.
c) Potting, power, and antenna details are the same as for the solar aspect sensor.
d) Calibration of the accelerometer is done with a shake table at frequencies from 10 to
50 Hz. Below 10 Hz the accelerometer is slowly spun in the earth’s gravitational field.
The calibration setup is shown schematically in Figure 9. The entire telemeter is
calibrated since the gain of the amplifier is usually not set precisely, nor is the deviation
of the VCO set precisely.
During calibration the VCO output is discriminated and the accelerometer signal
recorded on an oscillograph. The frequency and amplitude of the shake table vibrations
are monitored using a reference accelerometer accurate to 0.1%. The signal recorded on
the oscillograph is compared to the in-flight calibrator pulse amplitude and the results
are plotted. The frequency sensitivity at 0.4 g is shown in Figure 10 while the
acceleration sensitivity is shown in Figure 11.
e) An in-flight yaw inducer has been made a part of the accelerometer experimental
system. This device imparts a side moment to the projectile at a predetermined point in
space so that the shell will start pitching and yawing and its subsequent motion can be
measured by the accelerometer. The yaw inducer consists of an explosive chamber in the
rear of the missile as far from the center of gravity as possible. The chamber is filled with
black powder and is connected to an electronic delay fuse (9). The side wall of the
chamber is drilled out to hold a brass slug but the hole is not quite drilled through to the
chamber leaving a thin diaphragm.

The mechanical details of the yaw inducer are shown in Figure 12. At the preset fuse
time the detonator is set off. The black powder is ignited and explosive pressures
develop until the diaphragm wall ruptures. The brass slug receives a “shot start” leaving
the projectile at velocities up to 300 meters/sec. The shell reacts with an overturning
moment and pitches and yaws along its trajectory. This motion is observed by the
accelerometer and transmitted to ground stations. Below 15 kilometers, yaw angles UP
to 3 degrees can be produced while even higher angular motion results at higher
altitudes.
Yawsonde Flight Tests and Results The solar aspect sensing yawsonde has been used
successfully on both fin- and spin-stabilized projectiles. Angular motion of the HARP
5-1 vehicle (10) has been measured during its reentry into the earth’s atmosphere. These
results have been reported (6). Spin-stabilized developmental artillery shell such as the
155mm, XM483 have been instrumented with solar sensors and have shown interesting
behavior over their entire flights.
Accelerometer payloads have been used strictly on fin-stabilized missiles in conjunction
with the in-flight yaw inducer. Some difficulties have come up in the use of
accelerometers and limited data have been produced in test firings.
a) Solar aspect sensors used with spin-stabilized shell usually do not suffer from the
problem of roll-yaw interaction (the yawing frequency comparable to the roll rate). The
roll rate is usually more than an order of magnitude greater than the pitch frequency. The
resulting data from solar sensors is a digitized yawing motion.
Figure 13 shows a small segment of raw pulse data from test No. El-5127 done at
Wallops Island, Virginia, in October 1970. This test used a 155mm, XM483 projectile
with solar aspect sensors located 180 degrees apart on the circumference of the projectile
near the note. The inclination angle of each sensor was 45 degrees with respect to the
axis of the projectile. Thus, the yawsonde was capable of seeing yawing motion of ± 45
degree amplitude. The projectile with one of the sensors visible is shown in Figure 14.
Round El-5127 was launched with a muzzle velocity of approximately 245 meters/sec at
an elevation of 45 degrees. The total flight time was 26 seconds. The spin rate of the
shell was about 72 rps so that about 1,900 data points relating to aspect angle were
produced on the entire flight. The raw data pulses were played back through a hybrid
computer which measures the time interval between pulses in the Analog section and
applies the calibration in the digital section. At this point the data have the form of
normal solar aspect angle versus time (the normal angle is the solar angle with respect to
a perpendicular to the projectile). If radar data on the trajectory of the shell are available,
the velocity history can be computed and the solar aspect angle can then be expressed as
a function: of distance down the trajectory.

For test E1-5127, the data have the appearance shown in Figure 15. A first look at these
data show several striking features. Two frequencies are obviously present and can be
related to the familiar precessional and mutational motion of a gyroscopically stabilized
shell. Indeed, these two frequencies can be measured directly from the data of Figure 15
and the overturning moment of the shell computed. Such a computation agrees well with
ballistic range derived values. Another striking feature of the data is that the amplitudes
of the two frequencies do not change appreciably over the entire flight. This observation
leads one to suspect that the projectile is executing limit cycle motion. Such motion has
long been suspected as a characteristic of the XM483 shell but has not been verified until
this particular flight with yawsondes.
The data of Figure 15 represent the solar aspect angle while the desired result for
aerodynamic purposes is the angle of attack of the projectile (the angle between the
projectile axis and the trajectory). For small amplitude angular motion, the solar aspect
angle relative to an average curve drawn through the fluctuations can indeed be treated
as the angle of attack with small loss in accuracy. For geometrically large angles,
however, say greater than 10 degrees, this approximation breaks down. In order to relate
the axis of the projectile to the trajectory, several complicated mathematical expressions
can be derived. These relationships do not a priori give -unique results but can be used in
fitting processes in an attempt to extract further aerodynamic information from the test
data.
A number of fitting processes have been developed over the past several years including
epicyclic fitting, WOBBIE, analog simulation, and the method of Chapman and Kirk
(11-14). Such methods have been applied to the data from test El-5127 and preliminary
values of the aerodynamic coefficients have been derived. For example, the static
moment coefficient (11) derived from the yawsonde data has a value of 4.5 at the data
Mach number which agrees well with the ballistic range derived value of 4.3 for the
same Mach number and angle of attack.
b.) Accelerometer data have been obtained from a number of flights of the HARP 5-1
projectile. In all cases, only one channel of the biaxial accelerometer functioned during
the early portion of the flight. Yaw inducers were included on all flights. Both channels
of accelerometer output were present during the reentry portions of the flights. The cause
of initial data blackout on one channel has not yet been determined.
Typical data received from the accelerometer after the yaw inducer has functioned is
shown in Figure 16. The timing channel and the data channel are shown in the Figure.
The yaw inducer was set to function 5 seconds after launch and did function at 5.5
seconds. The expanded portion of the data shows that the signal amplitude did not
exceed the calibration pulse amplitude. The accelerations, thus) were less than 1 g. This
level of acceleration corresponds to a yaw amplitude less than 4 degrees. The

accelerometer signal dies out in about 0.8 second and has superposed on the slowly
changing signal a higher frequency component of about 25 Hz. The HARP 5-1 projectile
is fin-stabilized with slightly beveled fins to ,produce a slow roll of about 5 - 10 rps. On
the other hand, the natural pitching frequency of the projectile is about 20 Hz at 6
kilometers altitude. This is approximately where the yaw inducer functioned. From these
considerations, we can identify the 25 Hz ripple signal as the mutational motion while
the slowly changing dominant signal is the precessional motion.
Several flights of the HARP 5-1 vehicle have produced similar results on a single axis of
the accelerometer. These data are being reduced and analyzed while mathematical
models to interpret the data are being developed. From a first look at the raw data, the
results seem consistent with what is known about the 5-1 projectile.
Discussion and Conclusions The solar aspect sensing yawsonde is now almost a
routine instrument for observing the dynamical behavior of projectiles over their entire
trajectories. It suffers from the inconvenience of requiring that every projectile be
modified to accept the antenna system as well as the solar sensors themselves. A simpler
yawsonde, which is not quite as versatile but which can be applied to a large variety of
artillery shell without modifying the shell, has been developed by the Harry Diamond
Laboratories (6,15) and used on a large number of firings with success. The Harry
Diamond sonde, modeled after an original British design, uses a pinhole camera
principle to admit light onto a photosensitive surface masked in the form of a V. The
amplified pulses are of the same polarity and directly modulate the RF carrier. This
design is being modified by Picatinny Arsenal and the Ballistic Research Laboratories to
include a VCO for FM/FM data transmission. Some modifications to the internal
geometry of the device are being considered.
The capability of the solar sonde to produce information over an entire flight and the
current capability to extract aerodynamic coefficients from the flight data have made this
sonde a valuable tool for aerodynamic research. With the incorporation of the Harry
Diamond sonde into our test programs, our in-flight measurement capability will be
extended to developmental work and perhaps also to commanders of artillery units in the
field. The reliability of the sondes to produce data is reasonably high. Only two out of
twenty versions of the Ballistic Research Labs solar sonde have failed in flight and only
one of thirty of the Harry Diamond sondes has failed.
The accelerometer yawsonde is still in the developmental stage. More work is needed to
determine the cause of single channel failure early on in the flight. The most serious
drawback of the present circuitry for accelerometer measurements is the location of the
in-flight calibrator which is situated after the amplifier and before the VCO. If the
amplifier gain changes during launch, the amplitude of the accelerometer data would be
in error. The frequency characteristics of the data would still, however, be correct. A

solution to the problem would be to install the calibrator ahead of the amplifier and
methods for fabricating a low level calibrator are currently being explored.
Since the accelerometer instrument uses piezoelectric crystals with FET’s coupled to the
crystals, it cannot reproduce constant accelerations. If a projectile is rolling at a constant
rate, the rolling motion of the shell will not be observed by the accelerometer instrument.
To obtain roll data, current plans call for a combined solar sensing-accelerometer
payload for future projectile tests.
The work reported in this paper represents the results of the first attempts to measure the
motion of projectiles over long flight paths using g-hardened, on-board instruments. The
ability of the electronic payloads to survive accelerations in the neighborhood of 60,000
g, to transmit useful data to ground stations, and the ability to use the data to provide
meaningful measurements of the dynamics and aerodynamics of the shell have been
demonstrated.
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Fig. 1 - Geometry of the Solar Aspect System in Flight.

Fig. 2 - Flaw Diagram of the Solar Aspect Sensing Telemeter.

Fig. 3 - a) Integrated Circuit Amplifier; b) Voltage-Controlled Oscillator;
c) Radio-Frequency Oscillator.

Fig. 4 - Mechanical Details of the Projectile Nose-Antenna System.

Fig. 5 - Horizontal and Vertical Radiation Pattern for Projectile Nose-Atenna.

Fig. 6 - Calibration Setup for Solar Sensor Yawsondes.

Fig. 7 - Flow Diagram of the Accelerometer Sensing Yawsonde.

Fig. 8 - A Sample of Calibration Data From One Accelerometer Channel
Showing the In-Flight Calibrator Reference Pulses.

Fig. 9 - Calibration Setup for Accelerometer Yawsondes.

Fig. 10 - Frequency Response of
a Typical Accelerometer at
Two Levels of Acceleration.

Fig. 11 - Amplitude Response of a Typical Accelerometer at
a Fixed Frequency.

Fig. 12 - The In-flight Yaw Inducer
on Board the Projectile
with Exploded View.

Fig. 13 - Sun Sensor Pulse Train from Test E1-5127- Only Several Pulses Out of
3800 Are Shown. Reference Timing Signal Is Also Shown.

Fig. 14 - Photograph of the 155MM Projectile Showing
One of the Two Solar Aspect Sensors.

Fig. 15 - Data from the Entire Flight of Test E1-5127. The Normal Solar Aspect
Angle is Plotted Versus Distance Along the Trajectory.

Fig. 16 - Accelerometer Data Received from the Firing of a HARP 5-1 Projectile
The Exploded View Shows Only the Accelerometer Signal During Yaw Response.

A 2-kw S-BAND RE-ENTRY TELEMETRY SYSTEM*
D. L. TRAPP
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Albuquerque, New Mexico.
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Summary Instrumentation of high-velocity re-entry rocket systems at Sandia
Laboratories has been complicated because of dependence on onboard magnetic tape
recorders to store data until the carrier emerges from the radiofrequency blackout. This
paper describes an approach designed to minimize the effect of the RF blackout by
means of employing a sampled data system the output of which consists of 1-Fsec pulses
of 2-kw RF power level. The effort was initiated in the spring of 1970 for the purpose of
obtaining real-time data during the re-entry blackout phase of a Sandia re-entry flight
test. Re-entry velocities in the vicinity of 25,000 fps are expected.
Introduction Theoretical received data accuracy is investigated. This includes a
calculation of the maximum allowable plasma attenuation. The probability of a good data
frame is lotted as a function of the predetected signal-to-noise ratio (SNR). From the plot
the location of the SNR threshold and the performance in its vicinity are found. This is of
considerable interest because of the possibility of low SNR resulting from large plasma
attenuations. Also, from the plot a value of the optimum voltage threshold (the voltage
level in the pulse detector above which a signal is detected as a pulse and below which
no pulse is detected ) is found for SNR’s in the vicinity of the SNR threshold. For values
above the threshold, an estimate of postdetection data error is made.
The most crucial parameter affecting the design of a telemetry system capable of
transmission through a re-entry blackout is the severe attenuation of RF frequencies by
the plasma generated during re-entry velocities in excess of 25,000 fps. Another
complicating factor is the minimal volume available And a dearth of 28-volt battery
power. As compared to a typical 2-watt telemetry system, this system would utilize an
*
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additional 30 db of power in an effort to overcome re-entry attenuation effects. Figures 1,
2, and 3 show vehicle performance parameters.
Method of Approach In order to conserve power, a decision was made to utilize a
pulse position modulation system the 1.0-Fsec output pulses of which would gridmodulate a 2250.5MHz planar triode resonant cavity oscillator-transmitter at the desired
sampling rate. Additional system components are a signal conditioning circuit to supply
grid drive and a terminated circulator to buffer and protect the output of the transmitter.
Output power is approximately 2 kw, occupying a bandwidth of approximately 10 MHz
at the -22 db points. A block diagram is shown in Figure 4.
Component Description
1. PPM Commutator The commutator time-multiplexes 64 channels, of which 8 are
subcommutated. Each main frame channel is sampled once every 10 msec (a 100-Hz
sample rate), while the subframe channels are sampled once every 80 msec (a 12.5-Hz
sample rate). All main frame data channels accept high-level signals from 9 to 5 volts.
The subcommutated channels accept differential signals of one of the preselectable
levels: 15 mv, 40 mv, or 1 volt. The commutator has two outputs: One is standard PAM
100% duty cycle NRZ per IRIG 106-69, and the other is PPM which is used for the reentry data system. The PPM waveform. consists of two pulses during each channel time
length of 156.25 Fsec. The first, or reference, pulse marks the beginning of the channel
and is used as the reference from which the time of occurrence of the second,, or data,
pulse is measured. The latter pulse varies from a minimum of 20 Fsec and a maximum of
140 Fsec from the reference pulse. The data pulse’s time position varies with the value
of that channel’s sampled data. For the decommutator to demultiplex the PPM data
frame, 2 channels without pulses (of the 64 -channels available) are used for frame
syncronization.
2. Oscillator/Transmitter This unit comprises a signal conditioner, oscillator, and a
two-section Butterworth BP filter having a 3-db bandwidth of 10 MHz. The oscillator
consists of a miniature ceramic UHF planar triode in a resonant tuned cavity. Its features
are its capability to generate high pulsed power (2 kw), high plate efficiency, and its
capability to operate at high average power conditions. Specifications for this component
are as follows: (a) frequency: 2.25 GHz; (b) power output: 2 kw; (c) pulse width:
1Fpsec; (d) operating temperature: +15EC to +65EC; (e) stability: ±1 MHz w/temp,
10 KHz/v B+ pushing; (f) modulator power input: -80 vdc @ 25 ma, +28 ±4vdc @ 50
ma; (g) oscillator power input: 2 kv @ 50 ma maximum, 6.3 v @ 1.5 a maximum; size:
2 1/2" x 4 1/2,” x 5" maximum; and (i) weight: 24 oz.

PPM Spectrum While the fine structure of the PPM spectrum is determined by the
spacing between pulses, the envelope of the spectrum is determined by the spectrum of a
single pulse. The relative power spectral density for a trapezoidal pulse shape is shown
in Figure 5. The spectrum of a pulse train consisting of 1-Fsec pulses with fast rise and
fall times is shown in Figure 6. An oscillator similar to the one described above was
used.
Derivation of Signal-to-Noise Ratio In derivation of the SNR, a range equation
indicating the signal power delivered to the antenna output is used:

where Pt is the transmitted power, Gt is the gain of the transmitting antenna, Ar is the
effective antenna receiving aperture, ' is the (polarization) coupling between receiving
and transmitting antennas, L is the transmission efficiency of re-entry plasma and
atmosphere, and R is the range of the transmitter from the receiver.
The transmitting antenna consists of a cylindrical quarter-wave monopole utilizing the
vehicle as the ground plane. This results in a gain of approximately 3 db (Gt = 2) and a
linear polarization in the plane perpendicular to the vehicle ground plane. With a circular
polarized receiving antenna, the coupling between the two antennas is -3 db (' = 1/2).
The term containing the transmission loss caused by the plasma sheath and atmospheric
effects will be dominated by the plasma loss for the frequency considered. As a re-entry
vehicle enters the atmosphere at high velocities, an ionized sheath is produced by high
temperatures resulting from the vehicle’s shockwave and friction in the boundary layers
around the vehicle. Also, some ionized particles are produced by ablation of the re-entry
vehicle’s heat shield. The plasma sheath containing a high density of electrons attenuates
electromagnetic signals traveling through it.
The amount of attenuation is a function of the signal frequency, the plasma temperature,
and the density of ionized particles. Both temperature and density of particles decrease
with distance from the vehicle’s nose. Order-of-magnitude calculations may be made for
attenuation along the re-entry vehicle.1 However., there is insufficient theoretical and
experimental basis for predicting the attenuation in the wake.2 The temperature and air
density, however, should be low compared to the values near the front of the vehicle. To
keep the two principal plasma effects, attenuation and reflection, to a reasonable value,
signal frequency must be greater than plasma frequency. The plasma frequency is an
indication of the plasma’s electron density. The plasma frequency will be less than
the signal frequency if the plasma temperature is below 4000EK and the relative air
density (air density compared to that at sea level is below approximately 10-4.1

As an example for re-entry, signal frequency is 2.25 Ghz, relative air density is 10-4, and
plasma temperature is 3500EK. The plasma frequency is then 0.8 GHz. This results in an
attenuation of approximately 1.5 db/meter of plasma. In considering the reflection losses,
since the plasma frequency is less than the signal frequency, these losses are negligible.
However, for a plasma temperature of 4000EK and the same signal frequency and
relative air density, the plasma frequency is 3.19 GHz. This results in an attenuation of
approximately 139 db/meter and a loss due to reflection of approximately 20 db! The
calculations above were made by using the tables given by Filipowsky and Muehldorf.1
The dispersion of microwave pulses transmitted through the re-entry plasma sheath need
not be considered, as is necessary for microwave pulses transmitted through plasma
media from satellites and space probes. It has been found that for plasmas characteristic
of re-entry boundary layers, the effect of the plasma layer on dispersion is very small.
The principal effect of the plasma layer is attenuation of a signal propagated through it.3
Plasma attenuation at the P-band for the two flights is shown in Figure 7. The amount of
attenuation was not severe enough to result in blackout of the FM-FM telemetry system
for either of these flights. However, the heating rate on a future flight test vehicle is
expected to be greater than that for these, resulting from a steeper reentry angle of -35E,
compared with a re-entry angle of -28E (see Figure 7).
Noise power, with the antenna output as the reference point, is given by Boltzmann’s
equation
where k is 1.38 x 10-23 joules/EK (Boltzman’s constant), Te is the effective receiver noise
temperature, and Bn is the noise bandwidth. Signal to noise ratio is expressed by

where Pt = 2 x 103 watts peak power, Gt = (3 db) = 2, ' = (-3 db) = ½, Ar = 75 meters2,
R = 200 miles = 322 kilometers, Te = 700EK, and Bn = 4 MHz. Thus, SNR . 3.106 L, or
(64.8 + Ldb) db. The value of SNRdb necessary to achieve reasonably accurate data is
approximately 16 db, as shown in Figure 8. Therefore, the maximum allowable plasma
attenuation is 48.8 db (L = 1.3 x 10-5).
Probability of a Good Data Frame and Optimum Voltage Threshold A good data
frame consists ot 2 (N-M) pulses, where N is the number of channels per frame and M is
the number of missing channels used for frame synchronization. The standard number of
missing channels per frame is two (M=2). For a decommutator to work properly, all of

the 2 (N-M) pulses must be present and no additional pulses resulting from noise should
exist in a data frame. An equation for the probability of a good data frame is derived in
the appendix. The approximate values for the probability of a good data frame for
various input SNR and normalized threshold values are shown in Figure 8. The
normalized threshold is the threshold level voltage divided by the RMS noise voltage.
From Figure 8, and SNR threshold of approximately 16 to 16.5 db is evident.
Figure 8 gives the optimum normalized threshold value for a given input SNR. As an
example, if the SNR is 16.5 db, the optimum normalized threshold is approximately 5.7.
This gives a probability P of a good data frame of 0.99. If the normalized threshold is set
at 6 or 5.25, the probability of a good data frame is 0.95 and 0.96., respectively. The
importance of using an optimum normalized threshold when the SNR is around the SNR
threshold value can be observed in Figure 8. As the SNR increases, the value of P
flattens out and the optimum normalized threshold is not much greater than the
neighboring normalized threshold values.
The optimum voltage threshold Vt for SNR near the SNR threshold is determined by the
normalized threshold and the SNR values at that point. Decommutators with an
automatic gain control keep the pulse amplitudes fixed at 5 volts. The optimum voltage
threshold is

At SNR threshold, the optimum voltage threshold is approximately 4.2 volts.
Postdetection Data Error If it is assumed, after envelope detection, that the pulses
can be approximated by rectangular pulses with finite rise time tr, then the noise will
alter the time of the threshold crossing as shown in Figure 9. The resulting time error for
the single pulse (,) can be found from the geometry ,/n = tr/A. This indicates that the
mean square error is(tr/A)2 x n2, where A is the peak pulse voltage amplitude. A complete
data word consists of a reference pulse and a data pulse where the value of the data is the
time difference between the two pulses. Therefore, the mean square data error is the sum
of the two pulses’ mean square errors; i.e.,

The characteristics of the PPM commutator give a maximum pulse jitter of ±0.5 Fsec
maximum. If this value is assumed to be a three-standard deviation value, then the pulse
jitter standard deviation is F . 0.17 Fsec. The time during which the data pulse may vary
is 120 Fsec, as given by the commutator’s characteristics.

The concept of postdetection data error as discussed above breaks down when any of the
data pulses are missing or false pulses appear because of noise. Thus the concept holds
only for SNR values above threshold. The maximum data error above is
(At
2
threshold) + 2F . The mnaximum RMS data error above threshold for the particular case
when Bn = 4 x 106 Hz and tr . 1/(2Bn) = 0.125 Fsec is ,RMS . 0.24 Fsec. This results in a
0.2% error. Thus, the postdetection minimum signal-to-noise is 54 db when the input
SNR is above threshold.
Appendix
Probability of a Good Data Frame A good data frame is defined as 2 (N-M) pulses
produced by the transmitter and no pulses resulting from noise. The probability P of a
good data frame is derived by using the concepts of false alarm probability pn , the
probability that noise alone will produce a false pulse by exceeding the voltage threshold
level, and detection probability pd, the probability that the signal plus noise will produce
a pulse by exceeding the voltage threshold level.
First, the value of Pn is derived. Assuming that the random noise is filtered by the
receiver, the resulting probability distribution of noise alone applied to the envelope
detector is zero mean, gaussian, and white with mean square value Nv . After envelope
detection, the video signal applied to the reshold detector is then Rayleigh-distributed.
The probability pn that the noise will cross the threshold level Et is

The duration of this sample of noise is approximately 1/Bn , where Bn is the receiver’s
noise bandwidth.
Second, the value of pd is derived. The sinusoidal signal of peak amplitude Vs plus noise
results in the probability density function after envelope detection of

where Io is the Bessel function of the first kind and V is the voltage amplitude of the
envelope of the signal plus noise. The detection probability pd is

The quantity
is the SNR. Rice,4 using numerical integration methods evaluated pd.
A more convenient plot of pd versus SNR for different pn values is given by Barton.5
Finally, the value of P is derived. The probability of detecting all 2 (N-M) pulses in one
data frame is (pd)2(N-M) . To determine the probability that no false alarms will occur
within one data pulse, the Poisson distribution is used.6 It is applied since false alarms
may occur with equal probability at any moment and are assumed to be independent.
Therefore., the probability of k false alarms during J seconds is

where < is the average number of false alarms per second. Thus, the probability of no
false alarms during a data frame is P(0) = exp (-< NT), where NT is the time of a data
frame. To determine the average number of false alarms <, the “average false alarm time”
as given by Barton5 is used: < = 1/
= pnBn. The event of a good data frame is
equal to the joint event of all pulses detected and no false alarms during a data frame.
Since these events are independent, P = Prob. (no false alarms) x Prob. (2(N-M) pulses
detected),

As limiting cases,

This limiting is the result of increasing the SNR and can be observed in Figure 8 as the
leveling off of the P curve as the SNR increases:

This limiting is the result of increasing the voltage threshold level and can likewise be
observed in Figure 8 as similarity between the curves for low Pn .
For the particular case of N=64, M=2, NT=10-2 and Bn = 4 x 106 Hz,

where pn is less than 10-5 and (1 - pd) is less than 0.01. The probability of a good data
frame P for this particular case is shown in Figure 8.

Conclusions This paper has described a system being engineered by SaBnUia
Laboratories for the purpose of obtaining data during the portion of a re-entry flight
which normally exhibits an RF blackout. The tools utilized, a PPM data system and a
high-power transmitter-oscillator, are not unique but were described in regard to their
contribution to the SNR calculations. It is hoped that some empirical data related to
optimization of power levels, pulse widths, pulse rates, and antenna configurations will
have been obtained prior to presentation of this paper, and, if so, will be introduced. This
experimentation will hopefully be conducted at several of the plasma facilities available
for this purpose. The first actual flight is scheduled for the spring of 1972. If significant
results are obtained, a review of this project will be presented at a future date.
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L-/S-BAND CALIBRATION ERROR ANALYSIS
RALPH E. TAYLOR
NASA
Goddard Space Flight Center
Greenbelt, Maryland

Summary A statistical error analysis is performed to determine the degree of
uncertainty encountered when calibrating steerable receiving antennas with the solar
calibration method. The analysis considers the propagation of precision error indexes.
It is shown that a worst-case one-sigma (1F) uncertainty of ±0.8 dB in system noise
temperature occurs for a solar calibration at L-band. Somewhat better precision can be
achieved by monitoring the antenna gain-to-noise temperature (G/T) ratio at a station; a
worst-case uncertainty of ±0.5 dB (1F) can be realized.
An error analysis is made of a method to determine absolute antenna gain based upon
solar flux density. The uncertainty in this type measurement is ±0.7 dB (1F) at L- and Sband frequencies.
Introduction It is desirable to determine the basic antenna calibration accuracy that
can be achieved for the solar calibration method. The solar calibration method, described
by Hedeman1 , references receiving system noise temperature at the IRIG L- and S-band
telemetering frequencies to solar flux density. A daily prediction during “quiet-sun”
periods insures a constant solar flux density necessary for accurate calibration. On the
other hand, the stellar-calibration method2,3 references effective antenna gain, or system
noise temperature, to the constant flux density from a radio star such as Cassiopeia A or
Cygnus A. Since stellar flux density is known accurately from numerous radio astronomy
observations, no predictions are needed.
A brief comparison of the solar and stellar calibration methods will first be made; a
statistical error analysis of the solar calibration method then follows. Worst-case onesigma (1F) values have been assigned to parameters.
A method is described for determining absolute antenna gain, using solar flux density, at
L- and S-band. A statistical error analysis is also made for this method. Finally, an error
analysis determines the 1F uncertainty for both receiving system noise temperature and
antenna gain-to-system noise temperature (G/T) ratio.

Comparison of Solar and Stellar Calibration Methods
The noise flux density from the sun is suitable for determining system noise temperature
in IRIG L- and S-band receiving-systems using parabolic dish antennas ranging from 6-ft
(1.8-m) to 60-ft (18-m) in diameter (Ref. 1). On the other hand, the noise flux density
from Cassiopeia A or Cygnus A is sufficient to calibrate L- and S-band receiving
systems employing dish antennas as small as 20-ft (6-m) in diameter (Ref. 2). There is no
fundamental limit on maximum antenna size, except that the Ko4 beamwidth correction
factor must be applied to stellar calibration for antennas larger than 85-ft (26-m) in
diameter, operating at S-band and above. When using the sun, a beamwidth correction
factor is required for antennas larger than 30-ft (9-m) in diameter, operating at 1440
MHz and above.
The stellar calibration method has a decided advantage at 136 MHz because the sun is
not a stable source at VHF since the solar flux density can vary as much as 25 dB.
Antennas operating at 136 MHz, with isotropic gains as low as 16 dBi (dB above
isotropic), have been calibrated in the NASA3 space tracking and data acquisition
network (STADAN) using Cas A and Cyg A.
The solar-noise flux density provides higher “on-source” receiver IF signal power than
the weaker stellar-noise flux density from a radio star. Shifting the antenna mainlobe
onto the sun during a solar calibration results in a typical receiver IF power change of 10
dB, whereas less than a 1 dB change in IF power can result for stellar calibration.
Consequently, it is necessary to amplify the weaker signal from the stellar source with 25
dB to 50 dB of post detection gain followed immediately by a smoothing filter with a
large RC time constant of RC $ 0.3s.
Finally, the required signal dynamic range for the RF receiver is different for the solar
and stellar calibration methods. For an accurate solar calibration, the receiver’s dynamic
range should be linear within ±0.5 dB for an input RF signal change that typically ranges
from 0 dB up to 10 or 20 dB. On the other hand, the stellar calibration method needs a
receiver dynamic range that is linear only from 0 dB up to about 3 dB. In the latter
instance, linearity is defined as a linear relationship existing between the input RF signal
power and the output dc voltage from the square-law detector.
Statistical Error Analysis of Solar Calibration Method
It is desirable to determine the basic uncertainty in the receiving system noise
temperature for a solar calibration. The system noise temperature, Tsys , for an L- or Sband IRIG receiving system (see Figure 1), is defined by Hedeman1 as

(1)

where
F=

“quiet-sun” solar flux densit , randomly polarized, for a single receiving
polarization, w m-2 T Hz-1.

G=

absolute antenna power gain, above isotropic, referenced to antenna output
terminals (see Figure 1).

8=

free-space wavelength at same frequency G is measured, m

k=

Boltzmann’s constant = 1.38 X 10-23 J/K

L=

antenna mainlobe correction factor – 0.38 (2s/2HP )2 for
(2s/2HP ) < 1,
2s = radio diameter of sun – 0.5E,
2HP = half-power bearnwidth of mainlobe

P2 = receiver IF output power for mainlobe “on sun” (see Figure 1), watt, w
P1 = receiver IF output power with mainlobe on “cold sky” for the same system gain as
P2, w.
All of the variables in (1) influence to a degree the standard-deviation (1F) error in the
value of Tsys . For this analysis, the following assumptions are made:
• Cosmic, atmospheric, and environmental noise are constant between “’off-sun”
and “on-sun” observations
• Receiving system gain remains constant for above two observations
• Solar flux density is known within ± 7 percent (1F)
• RF attenuation of atmosphere is negligible; although clear weather is assumed,
solar observations are essentially independent of weather conditions at L- and
S-band frequencies.

• Multipath and ionospheric effects are negligible; lower limb of solar disk is at
an elevation angle $ 30E
• Degree of linear polarization in solar flux density is negligible
• Assumed mean and worst-case 1F values of F, and P2 /P1 are:
F = 100 x 10-22 w m-2 Hz-1 FF = ±7 percent
P2 /P1 = P = 10 dB, Fp = ±10 percent (in power).
Redefining (1) as
(2)
where a = 8B 8-2 = constant, and P = P2 /P1 .
When the component quantities are independent, the rnean-squared standard deviation in
system noise temperature,
, can be obtained from the general expression in
5
Worthing and Gaffner as
(3)
where F represents the one-sigma uncertainty in each variable, and F, G, L and P are
mean values.
Taking partial derivations in (3) gives,

and

The minus signs can be ignored since the above terms will be squared.

Substituting the above partial derivatives in (3) gives
(4)

The significance of (4) is described as follows by means of a sample calculation. Typical
values are assumed.
L-Band Case (Solar Calibration):
Type antenna
Frequency
Solar flux density (quiet sun)
Antenna gain
Mainlobe correction factor
Measured receiver IF power
ratio; “on-sun” to “off-sun”

20-ft (6-m) diameter parabolic dish
1440 MHz (8 = 0.208 M)
F ± FF = (100 ±7) x 10-22 w m-2 Hz-1
G ± FG = 5000 ± 700 power gain
= 37 dBi ± 0.6 dB.
= 1.0. Ignore FL < ±2%, for (2s/2HP 16HP) <1.
P ± Fp = 10.0 ± 1.0 power ratio.

Substituting the above values in (4):

or

Antenna Gain Determination Using Solar Flux Density
By combining certain features of the solar and stellar calibration methods, it is possible
to determine accurately absolute antenna gain using solar flux density at the L- and S-

band frequencies. Such a means of determining antenna gain in a receiving system
augments the stellar 2 , 3 method for determining absolute antenna gain.
By rearranging (1), the absolute antenna gain, G, referenced to the antenna output
terminals, is defined as
(5)
where

and

Normally, during a solar calibration, the receiver’s IF output power ratio, P, is measured
which is in turn used for computing the receiving system noise temperature, Tsys , from
(1). However, if Tsys could be determined by an independent means, a determination of
absolute antenna gain G, can then be made directly from (5).
It can be shown that the receiving system temperature, Tsys , for the off-sun” position of
the mainlobe, is

where

and

Assuming that the atmospheric noise temperature and atmospheric RF absorption are
both negligible at a sun elevation angle 2 $ 30E, the largest single contribution to the
system noise temperature in (6), at L-band and above, is generally TR, the overall
preamplifier-receiver noise temperature.
The parameters in (6) can be obtained as follows. The required value for TR can be
obtained by means of a noise figure measurement referenced directly to the preamplifier

input terminals (see Figure 1). Both TR and the transmission-line cable loss, , , could be
measured whenever the receiving system is maintained, repaired or overhauled. The
ambient physical temperature, T0 , of the transmission line can be measured with a bulb
thermometer or thermocouple. A measurement precision of ±10 percent (1F) for the
mean values of TR , T0 and , is sufficiently accurate. Having thus obtained measured
values of TR , T0 and , , it remains to make a determination of the total antenna noise
temperature, TA , before the total receiving system noise temperature can be computed
from (6).
Since the antenna mainlobe is pointing toward a “cold sky” region in the “off-sun”
position, the background brightness temperature within the mainlobe is low, ranging
from 3K to 5K at the L- and S-band frequencies. The major contribution to TA therefore
results from the antenna’s side lobes and back lobe.
In the ITC-71 paper: “VHF/UHF Stellar Calibration Error Analysis,” it is shown that TA
can be expressed for an antenna feed with a Gaussian power pattern, including
contributions from both the mainlobe and secondar lobes, as
(7_
where
Tsky =
T̄ sky

=

Mean value of sky-brightness temperature, within half-power beamwidth
of mainlobe, for “off-sun” position, K
mean value of sky-brightness temperature within secondary antenna
lobes, K

and
TE =

effective noise temperature of the earth, K.

Appropriate values for Tsky and T̄ sky can be obtained directly from a radio-sky map of
galactic noise brightness temperatures; normally, TE is in the vicinity of TE • 290K, over
land areas. The value of TE is less over water, and in general, TE has been defined by
Blake6 as
(7a)
where
Tp = thermal temperature of earth, K
and
R = reflectivity of the terrain viewed by the antenna.

Substituting the mean values of Tsky = 5K, T̄ sky = 4K, and TE = 290K, the 1440 MHz
antenna noise temperature, TA , becomes from (7)
The uncertainty in the above value of TA is due primarily to the uncertainty in the value
of TE ; Blake 6,7 indicates that the ground noise contribution to antenna temperature for
minor-lobe levels varies from about 20 to 60K. This value reduces to 5 to 10K for
Cassegrainian feeds, or antennas over water. The value
= ±20K (±50 percent) is
arbitrarily defined as a one-sigma value for the following statistical error analysis.
Therefore, at L-band (1440 MHz)

Combining (5) and (6) gives an overall expression for antenna gain as
(8)

The significance of (8) is that absolute antenna gain can be determine accurately from a
solar calibration. It is good practice to make at least ten such determinations, and then
average the observations to obtain a mean value for G.
Applying the propagation of precision indexes to (8) results in the following expression
that defines the uncertainty in the antenna gain as
(9)
where

From the sample L-band calculation for a solar calibration, expressed
earlier in this report, and again assuming unity mainlobe correction factor, L,

and,

From the ITC-71 paper: “VHF/UHF Stellar Calibration Error Analysis”:

which assumes Tsys = 400 K.
Substituting the above values in (9) gives

or

For example, a 20-ft (6-m) diameter parabolic dish would have a mean value of antenna
gain of about 5000, power gain above isotropic, at 1440 MHz. Expressed in dB above
isotropic (dBi),

or

The assumed value of Tsys = 400 K is not critical, but the lower value of Tsys = 200K
results in (FTsys/Tsys) = 0.165 (16.5%),which makes a FG = ± 0. 8 dB.
An advantage is that (8) may be employed for gain-calibrating parabolic dish antennas,
as small as 6-ft (1-8-m) in diameter, operating at Land S-band frequencies. By way of
comparison, the minimum dish size is about 20-ft (6-m) for a comparable stellar-gain
calibration.
Statistical Error Analysis of G/Tsys Measurement (Solar Calibration Method)
Having thus defined the basic error in receiving system noise temperature for the solar
calibration method, it is of practical interest to determine the basic error in an antenna
gain-to-system noise temperature (G/Tsys ) ratio measurement. Such a G/Tsys
determination does not require a knowledge of absolute antenna gain; in this sense, the
G/Tsys ratio is a quality figure-of-merit that can be monitored daily at a station.
Rearranging (5) gives G/Tsys as

(10)
where

Applying the propagation of precision indexes to (10) gives
(11)

for solar calibration.
The quantities on the right-hand side of (11) were determined earlier for the L-band case
as:

again assuming unity mainlobe correction factor.
Substituting the above quantities in (11) gives

or

Since an uncertainty in antenna gain is not present in (11), assuming unity mainlobe
correction factor, it is noteworthy that a determination of the G/Tsys ratio from (10) is
more accurate basically than a comparable determination of the receiving system noise
temperature, Tsys , from (1). For example, in the L-band case, a G/Tsys determination is six
percent more accurate than a receiving noise temperature determination (e.g., 13%
compared to 19% in power, respectively). Finally, it should be pointed out that a

knowledge of the true design value of G/Tsys should be available with which to compare
the station measurements.
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Figure 1. System Noise Temperature Determination Using Solar Flux Density

A MULTISPECTRAL SCANNER DATA DECOMMUTATOR/
PROCESSOR FOR THE EARTH RESOURCES
TECHNOLOGY SATELLITE
EDWARD L. WALTZ
Bendix Aerospace Systems Division
Ann Arbor, Michigan.

Summary This paper describes the design of the telemetry decommutator/processor
for multispectral scanner data to be returned by the first two Earth Resources Technology
Satellites (ERTS). This unit, referred to as the Multispectral Scanner Tape
Decommutator/processor (MSS TDP), is a versatile data handling system which accepts
multipletrack tape inputs, providing output formats compatible with a multipletrack tape
recorder or a single channel film recorder. The system is organized as a parallel
processor, being capable of decommutating and formatting five spectral bands of digital
video data. Synchronization and decommutation of skewed multiple-track data is
performed with housekeeping and calibration data being transferred to a control
computer. A six scan line buffer is asynchronously loaded and synchronously unloaded
to remove data skew and reformat the video data. The unit includes a highspeed
arithmetic processor which performs radiometric calibration of a single spectral band of
video data prior to film recording. The primary function of the MSS TDP will be the
processing of receiving site data tapes for conversion to film images.
Introduction Earth Resources spacecraft employing multispectral scanners (MSS)
require data handling equipment which can process multiple spectral bands
simultaneously with a high throughput rate. The MSS TDP has been developed to
process multispectral data for the ERTS A and B spacecraft to be launched in 1972 and
1973. The TDP is an integral part of the NASA Data Processing Facility, Goddard Space
Flight Center, which will handle all ERTS data. This unit processes tapes from STADAN
receiving site Multispectral Scanner Video Tape Recorders (MSS VTR), providing
inputs to an Electron Beam Recorder (EBR) or High Density Digital Tape (HDDT) unit.
The three modes of operation of this unit are as follows:
1.

MSS VTR Tape to Film Conversion - Receiving site MSS VTR tapes are
decommutated, and a single spectral band is reformatted into sequences of single
scan lines for the EBR. The continuous strip data is divided into “framed”
images for film recording and two processing operations may be performed on

the video data: (1) decompression of data which has been compressed onboard
the spacecraft, (2) digital radiometric calibration of data using linear correction
coefficients calculated by the control computer.
2.

MSS VTR Tape to HDD Tape Conversion - MSS VTR tapes are decommutated,
with all five spectral bands being simultaneously reformatted for recording on
the HDDT unit. This HDD Tape is the primary medium for transfer of data
between ERTS processing groups.

3.

HDD Tape to Film Conversion - HDD Tapes are decommutated and a single
spectral band is reformatted for inputting to the EBR.

Mode 1 is used to convert all MSS data to film for initial analysis. Data of interest may
be converted to HDDT in mode 2, with these tapes being computer processed by other
ERTS processing groups. Mode 3 is finally used to convert the processed HDDT to film
images.
Multispectral Data Formats Figure 1 summarizes the flow of MSS data and the
various formats in which it is presented. The MSS includes a scanning mirror which
sweeps perpendicular to the satellite ground track, providing the ground image to an
array of optical detectors. The MSS scans six lines for each mirror sweep, in each of four
ERTS A spectral bands simultaneously. A fifth spectral band to be included on ERTS-B
will have one-third the spatial resolution of bands 1-4, scanning two lines per mirror
sweep. The spacecraft orbital velocity and mirror sweep rate are adjusted such that
consecutive mirror sweeps represent information from adjacent swaths of the ground
below.
The scanner analog detector output (A) is shown for a single scan line. The first portion
of the sweep includes video data for the ground scan, while every other retrace includes a
radiometric calibration wedge which continuously varies from white to black. The
analog detector outputs are A/D converted into 6-bit bytes with additional digital codes
being multiplexed into the format. The video data for each scan begins with a short Line
Start Sync code (I byte) and is concluded with an 8-byte End Line Code. A BCD
spacecraft time code is included which encodes each time code bit into I byte. Each line
contains 1 byte of the code following line start sync, providing 24 BCD bits across 4
bands. (Two consecutive sweeps provide a complete 48 bit time code. ) A 3 -byte binary
line length code (LLC) is inserted following the end line code, providing a measure of
the total number of picture elements in all scan lines of the sweep. A preamble consisting
of an alternating one-zero pattern occurs at the conclusion of each retrace interval. Upon
ground command, the video data for 3 bands may be passed through non-linear
amplifiers, providing an optional signal compression mode.

The MSS multiplexes the multiple scan lines for all bands onto the 20 Mbps telemetry
link. The receiving site demultiplexes the data and records it on the 28-track MSS VTR.
The format (B) includes four groups of six tracks each, representing the four ERTS A
spectral bands with each track allocated to a single scan line. The fifth spectral band is
multiplexed onto a single tape track. This tape data is Miller encoded at a 10 Kbpi
packing density. Record and playback speeds are 60 ips, resulting in a 0.6 Mbps data rate
on all 25 tracks used for data. The HDDT format (C) provides a standard interface tape
between all ERTS processing groups. The data is formatted with a single spectral band
on each of 4 tracks, with the fifth band having quarter lines multiplexed on the 4 tracks.
General Description The MSS TDP is organized as a highly parallel digital system
since it is required to simultaneously synchronize and decornmutate multiple inputs,
while being capable of formatting and processing multiple outputs. The design is
modular, consisting of 5 parallel data paths for the five ERTS B spectral bands. The
block diagram in Figure 2 shows the parallel organization of the system. The TDP and
all input/ output devices are controlled by a common control computer.
MSS VTR and HDDT Data Input Logic Separate data input assemblies are provided
for accepting data from the MSS VTR and HDDT tape units since the tape formats, data
rates, and number of tape tracks differ. The MSS VTR data decommutators acquire
synchronization with the parallel data streams from the 25 tape tracks and strip off
spacecraft time code, video data and calibration data. The time code and calibration data
are transferred to the control computer while the video data is loaded into a buffer
memory. The HDDT data decommutators likewise acquire synchronization with the data
from the 4 tape tracks, stripping off frame identification codes and video data. The frame
identification is transferred to the control computer and the video data is loaded into the
buffer memory in the same format as for the MSS VTR input.
Figure 3 shows the tape data input logic for a single MSS high resolution spectral band
(six tape tracks). The input logic units asynchronously acquire Line Start Sync and
decommutate data from the six serial digital inputs under control of a common set of
control logic. Data from each individual tape track is shifted into a 36 bit input shift
register (1), with the first six bytes being compared by the sync correlator to detect line
start sync. Once line start is detected, the data synchronizer counts bytes in the format,
generating transfer clocks to decommutate the various data from the format. The time
code byte is shifted into a register and a major ity voter decodes the byte into the single
BCD time code bit. Video data is shifted into the I register, assembling the data for
transfer to the buffer memory. Once a 36 bit word is accumulated it is strobed into the
transfer register, M, and the group memory address programmer is requested to transfer
the data to the buffer memory. The memory address programmer services the 6 tracks at
random since the data is skewed. The MSS VTR data rate provides 6 data ready requests

every 60 microseconds, requiring a buffer clear-write cycle time of less than 10
microseconds.
The data synchronizer for each track enables a cal detector to search for the calibration
wedge when the transfer of video data is completed. Once the black-to-white transition
preceding the wedge is detected, a cal byte counter is enabled to count the bytes in the
wedge. Six samples are then decommutated from the wedge by enabling the six bytes to
be shifted into the I register in order. The location of these six samples within the wedge
are predetermined for each sensor, and are wire-wrap “programmed” into the cal
decommutator gate network. Once the 6 cal samples are assembled, the memory address
programmer is again requested to transfer the data to the memory. In the case of the cal
word, the 36 bits are transferred to the buffer memory (for formatting on the HDDT) or
to the Data Transfer Interface (for transferring to computer).
The technique for acquiring synchronization with each sweep is based on the following
considerations: (1) Verification of preamble permits the line start search to begin.
(Probability of false acquisition in preamble is small.) (2) The maximum expected data
skew (due to tape skew) defines a period of time in which all tracks should acquire line
start. This period can be used to correlate line start acquisition across tracks - providing
verification of line start sync. (3) The probability of false sync acquisition in video data
and cal data is significant since the 6 tracks represent spatially parallel data (adjacent
tracks have a high probability of containing identical data). This group synchronization
technique provides reliable acquisition and verification of the short (6 bit) line start sync
word by using the format preamble and cross-track correlation of line start acquisition.
The control of each group of six tracks is accomplished by the group synchronizer and
memory address programmer. The state transition diagram for the 6 track group
synchronizer is shown in Figure 4. The states of the synchronizer describe the sync
procedure and are as follows:
(1)

Preamble Search: A single track is searched for verification of the alternating
101010 --- preamble upon receipt of a begin preamble search command (this
occurs each sweep) from the Central Timing and Control, (CTC).

(2)

Search Mode 1: All tracks search for the single line start sync byte.

(3)

Search Modes 2 & 3: One or two (respectively) tracks have acquired line start
and are decommutating data, all other tracks searching for line start.

(4)

Partial Sync: The first track in sync has counted n bytes after line start (i.e. n is
the maximum tolerable number of data bytes due to tape skew) and all tracks
have not acquired line start. Line start search is disabled on all tracks.

(5)

Full Sync: All tracks have acquired line start prior to the nth byte on the first track
in sync.

The line length code (LLC) is decommutated by the group synchronizer from a single
track which has correctly acquired line start sync. The 18 bit LLC is transferred to a
holding register, and the CTC is issued a LLC ready flag. Each spectral band input logic
group decommutates the LLC, and a bit-by-bit majority voter located in the CTC
provides the LLC value which is transferred to the control computer.
The memory address programmer loads data from the 6 tracks into six sectors in the
buffer memory. An individual address counter is required for each track to provide the
sector address for loading the assembled video data into memory. As an individual track
input indicates that data is ready, the programmer enables the T-register data for that
track and the appropriate address to be gated to the memory inputs. Once the memory
write cycle is completed, the address counter is incremented and the programmer is ready
to service any other track that has data ready for loading.
Data Transfer Interface This logic provides an interface with the control computer
for the transfer of data which has been decommutated by the input logic. Table 1
summarizes the data which is transferred across this interface.
All data transfers to the computer are preceded by a specific data ready interrupt. The
DTI provides holding registers for all data to permit the computer to accept data
asynchronously (with respect to operations.)
Table 1 - Data Transferred to Control Computer
Data Transfer

Mode

Rate of
Transfer

Use by Control Computer

Time Code

1,2

Once per
Sweep

Used to relate mirror sweep time to other
sensor data for partitioning data into frames.

Calibration
Data

1

Once per
2 Sweeps

Used to calculate gain and offset corrections
for radiometric calibration.

Line Length
Code

1,2

Once per
Sweep

Used to compute the number of picture
elements in each line.

Frame ID

3

Once per
Sweep

Used to identify the framed blocks of
imagery.

Memory Buffer Since the MSS VTR tape format provides six MSS scan lines in
parallel on six tape tracks for Bands 1-4 (representing a single MSS mirror sweep), a
buffer is required to store a full sweep of video data to permit the data to be read out as a
sequence of six individual lines. This reformatting operation effectively interfaces the
MSS (6 lines per mirror sweep) and EBR (I line per beam sweep on film) or HDDT
(1 serial line of data per tape track). A large buffer memory system, consisting of ten
core memories performs this reformatting. The buffer is organized as 5 pairs of
memories, each pair assigned to a spectral band. The buffers are operated in alternating
mode, i.e., one group of 5 memories is loading data under control of the individual input
data decommutators while the other group of 5 memories is being read out under control
of the output data formatter.
The memory buffer capacity for each spectral band is dictated by the number of bytes
(picture elements) per MSS sweep. Bands 1-4 require a 19, 800 byte capacity while band
5 requires a 2, 200 byte capacity. Memory cycle time is determined by the maximum
input or output rates for all modes. The cycle time/memory word length/memory size
trade-off for both MSS VTR and HDDT input modes shows a 4096 word x 36 bit
memory with 1 microsecond full cycle time to be the most efficient buffer for bands 1-4.
The band 5 memory is identical to permit full buffer hardware compatibility for all
bands. The 36-bit memory word contains a group of six consecutive bytes from the serial
data stream, representing six consecutive picture elements in a scan line.
The spectral band 1-4 memories are divided into six major sectors, each sector being
accessed by an individual tape track decommutator and containing the video data for a
single MSS scan line. The data is loaded such that the nth memory word in a sector
contains the nth group of six bytes (picture elements) in the scan line. Spectral band 5
buffers are divided into 2 major sectors, representing the Z scan lines per MSS sweep.
This buffer is loaded by the single track decommutator (MSS VTR input) or by all 4
track decommutators (HDDT Input). Six memory locations are also provided for storage
of the calibration bytes which are decommutated from the MSS VTR format. Bands 1-4
require six memory locations (six calibration bytes per line) for 1 sweep while Band 5
requires two memory locations for 1 sweep.
The data is asynchronously loaded into the memories due to the interline asynchronism
introduced by tape recorder skew. As the data from all bands (HDDT output) or a single
band (EBR output) is synchronously read out by the data formatter, all input skew effects
are removed. By sequentially reading data from the lowest to highest location of each
sector, starting with sector I and finishing at sector 6 (bands 1-4) or sector 2 (band 5) the
data is conveniently reformatted from the parallel input to an output of 6 or 2 lines in
sequence.

Central Timing and Control The central timing and control performs the following
functions: (1) accepts all control computer commands and issues internal timing and
control as required (2) provides verification of command receipt and status of system
operation (3) generation of fault or status change interrupts (4) interfaces control
computer (remote) and control panel (local) command inputs, (5) provides major state
timing for synchronization of all inputing and outputting operations.
The major state timing is the most critical function performed by this logic. A master
clock oscillator is divided to generate synchronous timing for all logic in the MSS TDP.
Input state (search, lock), buffer state (input/output) and output states are generated by
this clock. The master clock also provides a reference frequency which is used to phaselock (by the tape reproducer tape sync servo) the incoming data and to servo the EBR
film transport. This synchronization assures that the data buffers do not overflow or
underflow due to tape speed variations.
Output Data Formatter and Interface The output data formatter generates addresses
for reading the data from the buffer memories and controls the passage of the data
through the four Output Data Interface Units. The formatter provides addressing and
timing in two primary output modes: (1) EBR mode - a single memory pair is accessed
(one spectral band) and the data is passed through the single EBR interface (2) HDDT
mode - all five memory pairs are accessed in proper sequence to generate the HDDT tape
format, multiplexing sync and ID codes into the output data.
Figure 5 shows the configuration of the output data interface which includes holding
registers, A and B, buffer the memory access operation and the demultiplexer which
divides the 36 bit memory word back into a sequence of 6 bytes. A multiplexer permits
the formatter to insert the line sync, frame ID, and frame sync codes required for the
HDDT tape format. A final holding register provides the parallel output interface with
the EBR and HDDT.
A high speed parallel processor is utilized to operate on the MSS data prior to outputting
to the EBR. The figure shows the location of this processor in the logic which interfaces
with the EBR. The processor employs a ripple-through technique and requires less than I
byte-period delay. The processor consists of two sections; a table lookup memory and an
arithmetic operator. A semiconductor read-write memory performs a one-to-one mapping
from the six bit data into eight bit data. This table lookup is capable of performing the
inverse of the non-linear data compression applied on the spacecraft, linearizing the data
prior to radiometric calibration. The control computer provides a gain and offset
correction for each scan line to radiometrically calibrate the video data. (These
coefficients are derived from the cal wedge data, decommutated and transferred to the
computer by the TDP. ) A parallel array multiplier, and a parallel adder apply the gain

and offset (respectively) to the video data. The combined multiply/add processor has a
ripple-through time of less than 260 nanosec.
In the HDDT output mode, the output byte rate is controlled by the CTC master clock,
while in the EBR output mode, this rate is controlled by an EBR-generated byte-rate
clock. The external rate control permits the EBR to vary the D/A conversion rate. This
capability permits compensation of scan mirror velocity and line length variations.
System Operation The total input - output operational sequence of the MSS TDP will
be described for the MSS VTR to EBR mode. Figure 6 presents the operation timeline
for this mode, showing hardware - software interaction. The following sequence of major
events occur each sweep:
(1) Upon detection of preamble and acquisition of line start sync, the TDP decommutates
spacecraft time code and issues a T/C ready interrupt. The control computer accepts this
data and uses it to partition the strip data into frames.
(2) The video data is loaded into the buffer memories, LLC is decommutated and a LLC
ready interrupt is issued. The computer accepts this data and calculates the number of
bytes (picture elements) in all scan lines for that sweep. This number is transferred to the
EBR for control of the data output rate.
(3) The calibration wedge is detected on alternate sweeps and six bytes are sampled from
the wedge for each scan line. A cal ready interrupt is issued and the computer accepts
these samples from the data transfer interface. The computer performs the following
operations on this data to obtain radiometric gain and offset corrections for the output
processor: (1) sensor gain and offset are estimated from the six samples using linear
regression, (2) gain and offset estimates are smoothed by a recursive filter operation.
Once the gain and offset corrections are computed, they are transferred to the MSS TDP
for application to the corresponding sweep.
(4) MSS TDP concludes the decornmutation cycle and the central timing and control
issues a begin preamble search command to all MSS decommutators as the search
window opens.
Conclusion The MSS TDP performs the operations of multiple-track decommutation,
reformatting and high-speed processing required for conversion of ERTS multispectral
data tapes to a more useful form. The parallel organization permits simultaneous
handling of multiple spectral bands at a high rate. The modular design also permits
future expansion of the units I capabilities (e.g., calibration of multiple bands
simultaneously as would be required in color film recording. ) Future spacecraft
employing scanners with increased spatial resolution and additional spectral bands will
require advanced tape decommutators/processors to handle the increased volume and
rate of information acquired. The MSS TDP system configuration and operating timeline
provides a foundation for the design of these systems.

Fig. 1 - Multispectral Scanner Data Flow and Formats.

Fig. 2 - MSS-TDP Block Diagram.

Fig. 3 - MSS TVR 6-Track Input Decommutator/Synchronizer.

Fig. 4 - Group Synchronizer State Transition Diagram

Fig. 5 - Processor Operations and Hardware Configuration.

Fig. 6 - MSS TDP Operational Timeline (MSS VTR to EBR Mode.)

SIGNAL PROCESSING TECHNIQUES FOR A 1000 MB/S
MICROWAVE COMMUNICATION LIN K
Dr. C. R. RYAN
Motorola Government Electronics Division
Scottsdale, Arizona

Summary Special circuit design techniques must be used for wideban@! signal
processing systems. These techniques are based on the use of a limited number of circuit
types with the multiplier/signal switch as the dominant active signal processing element.
The capability of this approach is illustrated in the construction of a 1000 MB/S QPSK
Modem and a ZOO MB/S data regenerator which uses a true reset integrator for
optimum bit-by-bit data reconstruction.
Introduction Motorola has developed a unified set of building block functions which
can be interconnected to meet a broad range of application requirements with a minimum
of specialized design effort. This set of functional elements is based on the concept that:
1.

Most signal processing (analog and/or digital) can be accomplished with a few
circuits. These are:
a. Video amplifier
b. Multiplier and signal switch(1)
c. Emitter coupled logic

2.

Microstrip transmission line is suitable for circuit interconnect.

The three circuit types listed under 1. are also supplemented by the hot carrier
diode/transformer circuits in applications requiring accurate dc stability such as phase
detectors. The tunnel-diode and the snap-diode are not suitable signal processing
elements because of the difficulties encountered in interfacing with these components for
general purpose applications.
The family of active circuits capable of processing signals in excess of 1000 MB/S is
very limited - in fact, consists of only two circuits. These circuits are an amplifier and a
multiplier/signal switch. Both of these circuits are capable of processing either analog or
digital information and. have bandwidths of greater than 1000 MHz and propagation
delays of less than 0. 5-nanosecond. The circuits are constructed by hybrid circuit
techniques and housed in a 3/8 x 3/8-inch Rat-pack (Figure 1).

Multiplier/Signal Switch This circuit is the dominant component in the active signal
processing family. The schematic diagram of the circuit shown in Figure 2 illustrates the
conventional arrangement used for the circuit and is designed for operation as either an
analog or digital signal processor.
This circuit operates from a +5V and a -5V power supply and requires approximately
110 mW of power. The diagram of Figure 3 illustrates the functional operation of this
circuit. The control line, W, determines the gain of the amplifiers A1 and A2(2) The
operation is such that A1 + A2 is always a constant. The time required to switch from A1
to A2 is less than 0.5-ns. The curve of Figure 4 illustrates the frequency response of the
unit. The speed and accuracy of the switching characteristics are illustrated in Figure 5.
The use of a new transistor family provides an increase of the frequency response to
2 GHz.
When operation only as a digital processing element is required., the circuit of Figure 2
is modified slightly in order to reduce the power consumption to approximately 70 mW
per function when ac coupling can be used on the output. The power consumption is
increased to 100 mW when dc coupling is required (the output coupling capacitors must
be replaced by zener diodes).
Logic Applications Three different logic equations can be obtained with the circuit by
different input connections. The logic diagram of Figure 6 illustrates the functional
diagram of the network. With reference to this figure, the three sets of output functions
are:

An exclusive OR function is obtained from X2 by setting U = V. The memory element
can be obtained from X1 by setting

From this equation, it is evident that the output will follow the V input when W is on
“zero”. When W is a “one”, the output will remain in the state just prior to the “zero” to
“one” transition time. This operation is similar to the clocked RS flip-flop function. A
master-slave flip-flop function can be constructed with two of the RS flip-flop functions.
Operation of the circuit as a memory element has been demonstrated by constructing a
divide-by-2 which will operate at 2 GHz on the input. This circuit has also been used to

retime digital data to obtain a 20 picosecond timing accuracy on the output transitions. A
5 stage PN generator has also been constructed with this logic familywhichoperated at
1000 MB/S(see Figures 5 and 7).
Quadriphase Modulator Subsystem Figure 8 illustrates the functional block diagram
of the modulator subsystem. This subsystem consists of a precision retiming circuit and a
phase shifter/amplifier.
The Digital Phase Shifter/Amplifier makes use of transistor type switches to perform the
modulation on a low power level subcarrier. This modulation scheme has several
advantages over modulation at the X-band output frequency. The most dominant ones
are:
1. Modulator construction follows the conventional microstrip transmission line
technique and does not require any special circuit or construction techniques.
2.

No high power modulator drivers are required.

3.

Modulator design does not depend upon output frequency.

4.

Bandwidth capability exceeds 1000 MB/S for quadriphase modulation.

The most significant disadvantage of this scheme is that an up-converter is required to
convert the subcarrier to the desired output frequency. This conversion process makes
use of conventional circuit elements, and therefore does not require any significant
additional design effort.
Table 1 shows the relative carrier phase relationship with respect to the digital input
signals. Figures 9 and 10 illustrate the performance obtained from Motorola’s Quadriphase Modulator. (3)
Table 1. Carrier Phase Relationship vs Modulation Signal
Digital Input

Relative Carrier Phase

A

B

0

0

0E

0

1

180E

1

0

90E

1

1

270E

A precision retiming circuit must be used for retiming the two digital input signals to
insure proper transition times of both channels. This retiming must be accomplished just
before modulation to insure optimum system performance as well as eliminate the need
for matching the digital input signal lines from the digital data source.
One channel of the retiming circuit is illustrated in Figure 11. This circuit makes use of
the fast/accurate switching properties of the CRA. The connection illustrated converts
the signal switch to a clocked RS flipflop. The digital input signal is sampled for 1/2 of a
bit time and then the sampled, signal is stored for the other 1/2 bit time. The timing
accuracy is obtained by this sampling action and thus insures that all output transition
times will be determined by when the clock makes its negative to positive transition.
This method of retiming will maintain a transition accuracy of better than ±0.03
nanoseconds on both digital channels and for either polarity transition.
Quadriphase Demodulator This demodulator follows the conventional approach used
in quadriphase demodulation, i.e. , obtaining a phase-locked reference carrier and using
this reference to demodulate the inphase and quadrature components of the incoming
signal.
Figure 13 illustrates the basic IQ loop used for the demodulator. The operation of this
loop is Little different from conventional IQ types of demodulators which have been
thoroughly discussed in the literature.(4) The major difference here is the construction
techniques used. Successful construction of the IQ loop requires the use of two wideband
analog multipliers which normally would pose a significant problem in the circuit. In this
case, the use of the standard multiplier units developed by Motorola makes this a straight
forward task. The phase detectors required in the demodulator are made with hot carrier
diode/transformer circuits.
The basic specifications of this unit are:
Input Signal
Amplitude:
-10 to -20 dBm
Frequency:
Approximately 800 MHz
Load Impedance:
50 ohms
Acquisition Time
Less than 1 Fs for a frequency offset of up to 500 kHz.
Tracking Loop Noise Bandwidth
Less than 2 MHz after acquisition. Greater than 8 MHz during acquisition.
Combined Static and RMS Phase Jitter (+12 dB input signal to noise ratio).
Less than 5E RMS for a 500 kHz offset in center frequency.

The unit consists of two modules as illustrated in Figure 14. The first module contains
the phase detector, baseband output buffers, and the voltage controlled oscillator. The
second module consists of the chopperstabilized multiplier network and the loop filter.
Data Reconstruction The two outputs of the demodulator module are applied to two
independently operating bit synchronizer modules - one for each channel. The functional
block diagram of the unit is illustrated in Figure 15, and a photograph of the unit is in
Figure 16. This unit is an extremely efficient, accurate matched filter which utilizes a
true reset integrator for data detection. The bit synchronizer follows a conventional
approach for obtaining a clock reference.
A current mode reset integrator capable of operating in excess of 500 MB/S is used
for optimum bit-by-bit data reconstruction. Circuit operation is explained in the
simplified diagram of Figure 17. During bit integration time SI is closed and S2 is open.
The current in the inductor is proportional to the integral of the input signal when the
L/R time constant is large relative to the bit period. At the end of the bit time, SI is
opened and S2 is closed simultaneously and then S2 is opened. This produces an
inductive voltage impulse at the input of amplifier A which is proportional to the current
at the bit termination time. The voltage impulse is then amplified and stretched for
threshold detection. The remainder of the bit time is used for discharge of the energy in
the circuit. Two of these circuits are used such that they operate on alternate bits of data;
while one circuit is integrating, the other is sampling and discharging.
The performance of the 200 MB/s data- regenerator is within 0. 6 dB of the theoretical
obtainable performance for bit-by-bit detections of input data band limited to 200 MHz.
This performance was obtained over a bit error rate of 10-3 to 10-7.
The performance of the entire QPSK Modem operating at 400 MB/S with an RF
bandwidth of 600 MB/s has been measured to be within 1.5 dB of the theoretical true
matched filter detection. Modifications in 400 MB/S system are currently under way to
permit a complete system evaluation of the 1000 MB/S Modem.
Conclusion The small family of signal processing circuits permits construction of a
large variety of complex signal processing functions. These processing functions can be
both analog and digital and data rates in excess of 1000 MB/S can be handled.
successfully. System performance of high data rate processing equipment is better than
that obtained using more conventional circuit design techniques and considerable less
engineering time is required to perform the design.
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Figure 1. Switch Constructed on a Sapphire Substratae

Figure 2. Schematic of the Multiplier/Signal Switch

Figure 3. Functional Arrangement for the Multiplier/Signal Switch

Figure 4. Frequency Response and Isolation Characteristics of the CRA-II

Figure 5. Switching Characteristics (Sheet 1 of 2)

Figure 5. Switching Characteristics (Sheet 2 of 2)

Figure 6. Logic Diagram for Gain Controlled Amplifier

Figure 7. Photograph of the 1000 MB/s PN Generator

Figure 8. Modulator Subsystem Functional Block Diagram

Figure 9. Demodulator Output Waveforms

Figure 10. Spectrum of Modulator

Figure 11. Precision Signal Timing

Figure 12. Quadriphase Modulator and Precision Retiming Module

Figure 13. 4-Phase Demodulator and IQ Loop

Figure 14. 4-Phase Demodulator and Phase Detector

Figure 15. Bit Synchronizer and Matched Filter Block Diagram

Figure 16. 200 MB/S Bit Synchronizer and Matched Filter

Figure 17. Simplified Diagram of the Reset Integrator

APPENDIX A

2.

A technical discussion session was held with 10 TSCC members present. The prime activity was
a presentation by Mr. Ball Chin of White Sands on a study of diversity combiners.

3.

Mr. J. D. Cates distributed copies of a paper entitled, “Investigation of a PAM Tester Using PN
Waveforms” for the members to study at a later time.

4.

A question was raised about TWG response to the TSCC recommendation that the “Miller Code”
be included in the new IRIG standard. It was stated that TWG was still investigating the potential
problems.

5.

An extensive discussion of magnetic tape and magnetic tape recorders ensued.

6.

The new TSCC membership roster was established and is listed below for information purposes:
Hugh Pruss
Teledyne Telemetry
Los Angeles, California
Chairman

Verne Jennings
Boeing Aircraft Company
Seattle, Washington

Ronald M. Muller
Goddard Space Flt. Ctr. NASA
Greenbelt, Maryland
Vice-Chairman

Harold Jeske
Sandia Corporation
Albuquerque, New Mexico

Cecil M. Kortman
Martin-Marietta Corporation
Denver, Colorado
Secretary-Treasurer

Joseph F. Koukol
Jet Propulsion Laboratory
Pasadena, California

Committee Members

Walter O. Frost
Marshall Space Flt. Ctr. NASA
Huntsville, Alabama

D. Ray Andelin
McDonnell Douglas Corporation
Huntington Beach, California

Robert S. McElhiney
Grumman Aerospace Corp.
Calverton, New York

Kenneth L. Berns
Naval Missile Center
Point Mugu, California

Col. E. Mendel
Office, Secretary of Defense
Washington, D. C.

Jacky Cates
White Sands Missile Range
New Mexico

Ray A. Runyan
Data-Control Systems, Inc.
Danbury, Conn.

Lawrence W. Gardenhire
Radiation Incorporated
Melbourne, Florida

7.

The following subcommittee assignments were confirmed:

SUBCOMMITTEE ASSIGNMENTS
Time Division Subcommittee
R. Muller, Chairman
J. Koukol, Alternate Chairman
C. Curry
E. Straehley
C. Kortman
L. Rauch
R. Pierson
R. S. McElhiney

R. Coffee
V. Jennings
C. Trevathan
R. Sjostrom
I. Lantor

Frequency Division Subcommittee
J. Runyan, Chairman
J. Cates, Alternate Chairman
W. Frost
W. Threlkeld
M. Nichols
E. Charland

K. Berns
G. Thomas
M. Pizzuti

R. F. Standards and Frequency Allocations Subcommittee
Ray Andelin, Chairman
Col. Edward Mendel, Alternate Chairman
H. Pruss
J. Webster
R. Fraham
T. A. Barr
H. Jeske
Ball Chin
8.

The remainder of the meeting was devoted to discussion of future TSCC activities and a number
of excellent suggestions were made. One of the more significant was to broaden the TSCCIs
activities to include the NASA and possibly the Air Force space network standards as well as that
of the test ranges as represented by IRIG-TWG.

The Houston meeting highlights are, listed below:
1.

A very interesting tour of the Telemetry and Communications System Division facility at the
NASA, Houston, Manned Space Center was arranged by this group. The tour was superbly
conducted and provided in-depth insight into the problems and achievements of the Manned
Space Center.

2.

Since the new IRIG Test Procedures for Telemetry Data Receivers was not received until April
1971, and TSCC comment was desired prior to the scheduled TWG meeting in July 1971, it was
agreed that all committee members would submit informal comment to the TWG recipient by 15
June 1971 for use at their July meeting.

3.

The committee agreed that there were many other programs that it could serve in its present
capacity, and that steps should be taken to communicate this offer to interested activities.
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