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ABSTRACT 

The high demands on data processing and bandwidth in wireless/wireline 

communication and aerospace systems have been pushing forward circuit design techniques 

to their limitations to obtain maximum performances with respect to high operating frequency, 

low noise, small area, and low power consumption. Clock generators are essential 

components in numerous circuits, for instance, frequency synthesizers for high speed 

transceivers, clock sources for microprocessors, noise suppressed zero-delay buffers in 

system-on-chips (SOCs), and clock and data recovery (CDR) systems. Furthermore, clock 

generators are required to provide low jitter and high precision clocks in fully integrated 

image reject receivers and an ultra-wide tunability in time-interleaved applications. 

We explore several circuit design techniques and implementations of low jitter clock 

generator in this thesis. Firstly, a low jitter and wide range digital phase-locked loop (DPLL) 

operating 8 ~ 16 GHz is illustrated using a dual path digital loop filter (DLF). In order to 

mitigate the phase jitter in the phase detector (PD), we implement the separate loop filter and 

the output is not affected by the proportional path. For the stable operation, a 4 ~ 8 GHz 

linear phase interpolator (PI) is implemented in the proportional path. In addition, we design 

a low phase noise digitally controlled oscillator (DCO) using inductive tuning technique 

based on switched mutual coupling for wide operating range. The proposed DPLL 

implemented in 65 nm CMOS technology shows an outstanding figure-of-merit (FOM) over 

other state-of-art DPLLs in term of root mean square (RMS) and deterministic jitter (DJ). 

Secondly, we discuss a radiation-hardened-by-design (RHBD) PLL using a feedback 

voltage-controlled oscillator (FBVCO) in order to reduce DJ due to the radiation attack on the 
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control voltage. Different from a conventional open loop VCO, the proposed FBVCO has a 

negative control loop and is composed of an open loop VCO, an integrator and a switched-

capacitor resistor. Since the input to output of the FBVCO has a low-pass characteristic, any 

disturbance on the control voltage should be filtered and cannot affect the output phase. We 

are able to reduce the output frequency variation approximately 75% compared to the 

conventional PLL when the radiation pulse strikes on the control voltage. The proposed 

RHBD PLL is implemented in 130 nm and consumes 6.2 mW at 400 MHz operating 

frequency. 

Thirdly, a novel adaptive-bandwidth PLL is illustrated to optimize the jitter 

performance in a wide operating frequency range. We achieve a constant ratio of bandwidth 

and reference frequency with a closed loop VCO and an overdamping system with a charge 

pump (CP) current proportional to the VCO frequency for the adaptive-bandwidth technique. 

The proposed adaptive-bandwidth PLL presents 0.6% RMS jitter over the entire frequency 

range from 320 MHz to 2.56 GHz, which is 70% smaller than the conventional fixed-

bandwidth PLL. 

Finally, we have developed a new feedback DCO to achieve a linear gain of DCO so 

that the DPLL can provide stability and a wide operating range in different process variations. 

Due to the negative feedback loop of the proposed DCO, the feedback DCO presents a linear 

gain from an input digital word to an output frequency. Moreover, we can control the 

bandwidth of the feedback DCO to optimize the total output phase noise in DPLL. In 

simulation, we can obtain 17 MHz/LSB of the peak-to-peak gain of the feedback DCO, 

which is reduced 96% over the conventional DCO. 
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CHAPTER 1. INTRODUCTION 

1.1 Clock Generators 

The technology scaling of recent integrated circuits (ICs) has impressively been 

grown for various systems from one generation to the next. Especially, communication 

standards utilize a variety of data rates in serial links and the demand for higher data rates in 

wireless and wireline systems continues to require a high performance circuit and architecture 

[3]. Moreover, microprocessors need to scale their frequency for power aware systems. 

Therefore, the demand is high for a broad frequency range as well as high quality of clocks in 

clock generators. 

Clock generators are key building blocks in determining the overall system 

performance [6, 18]. They are able to generate a high frequency clock from the low frequency 

external crystal oscillator or the on-chip clock. The ever-increasing demand for low jitter and 

minimum power has been required since they are employed to operate other block, for 

instance, analog-to-digital converters (ADC), digital signal processors (DSP), memory and 

sensors. On the whole, high performance clock generators use a phase-locked loop (PLL) 

architecture primarily due to easy implementation, cost efficiency and low power 

consumption. Clock generators are widely provided in numerous applications such as 

computers, televisions, wireless transceivers, and cell phones. Fig. 1.1 shows the architecture 

of the video signal digitizer for digital displays. Incoming analog RGB component signals are 

sampled with the ADC using a pixel clock generated by the video PLL. In this system, the 

clock generator needs to lock to the horizontal synchronization (HS) signal and generate the 

pixel clock for the ADCs and other clocks for various digital function blocks. The frequency 
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of the pixel clock is much higher than that of the HS signal. Thus, the video PLL multiplies 

the clock frequency with a large multiplication factor. 

    ADC

    ADC

    ADC

R

G

B

Video
Processor

Digital
Display

Interface

Video PLLHsync

Pixel Clock

Analog 
Video
Signal

LCD

 

Fig. 1.1: Video signal digitizer. 

The performance of clock generators is determined by the aggregated performance of 

all of inside blocks. Besides, the noises exist everywhere throughout the interface to degrade 

the timing accuracy of the clock generators. However, we focus only on the architecture and 

technique of circuits which provide low jitter clock generators in communication and 

aerospace systems. 

 

1.2 Motivation 

 Fig. 1.2 illustrates a high speed link system which is often an important part of multi-



24 

 

processor interconnection [7].  

 

Fig. 1.2: High speed link system. 

The high speed link consists of four major components: a transmitter (TX), a channel, a 

receiver (RX) and timing generators. The transmitter converts digital bits into a signal stream 

and sends the data as analog quantities or symbols to the receiver through the channel. The 

channel is the medium on which the data is propagated. This medium can physically be an 

optical fiber, a coaxial transmission line, an unshielded twisted-pair, a printed-circuit board 

(PCB) trace, or the chip package. The receiver converts this analog signal back into binary 

data. Finally, the timing generators provide the exact timing for a proper operation at 

serializer and deserializer in TX and RX, respectively. While there are lots of challenges in 

implementing the high speed link, the focus of this dissertation is to investigate the effect of 

jitter of the timing generators.  
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 In order to generate the clocks which are required for the wireline transmitters, a 

digital PLL (DPLL) is commonly used as the key building block and a block diagram is 

shown in Fig. 1.3 [20]. 

REF
OUT

DIVIDER

TDC DLF DCO

 

Fig. 1.3: Digital PLL block diagram. 

A time-to-digital converter (TDC) converts the phase difference into digital output. For 

example, a bang-bang phase detector (BBPD) that is implemented by a simple D filp-flop 

(DFF) is a 1bit TDC. A DLF filters the digital output of the TDC and controls the input digit 

of the DCO which generates an output clock in terms of input digital words. We can 

implement a ring oscillator based DCO to provide a wide operating range and small size. 

Otherwise, LC based DCO can be implemented to achieve a high quality factor and low 

phase noise in a high frequency. 

 The transmitter generates the serial data stream from an internal high-speed clock 

which is employed by the DPLL [2]. If there is an inherent jitter generated by DPLL, the jitter 

makes it difficult to control the clock skew and propagation delay. We need to have tight 

control of absolute delay to meet a given cycle time in the transmitter. Moreover, a channel 

loss and power supply noise deteriorates the total jitter of the DPLL, which makes us to think 

the enough jitter-budget in the transmitter. Therefore, it is essential to provide a low jitter 
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clock in the transceiver and it depends on the jitter performance of the DPLL. 

 Electronic devices and systems on spacecraft have been concerned about protection 

from single-event effects (SEEs). The SEE occurs when a high energy ionizing particle, such 

as a heavy ion, bombards with the circuit which can malfunction or show degradation of the 

performance. If the SEE affects the clock generators, the digital circuit fails to operate and the 

output clock cannot be generated. For a small effect, the ionizing particle can change the 

threshold voltage of the transistors and the clock generators will generate a larger jitter at the 

output clock. Hence, we should design radiation hardened PLLs to be used for aerospace 

application. 

 

1.3 Dissertation Organization 

 Chapter 2 illustrates the background of clock generator because this dissertation 

focuses on the design and implementation of low jitter clock generators. We introduce the 

noise sources of PLL to analyze the system and provide the optimized output jitter with 

regards to each noise sources. In addition, the jitter classification and adaptive-bandwidth 

techniques are briefly mentioned to improve the jitter performance. 

 Chapter 3 explores a dual path digital loop filter to reduce a bang-bang phase jitter in 

8 ~ 16 GHz DPLL. The output can be affected by only the integral path of DPLL, which 

makes to render a small deterministic jitter (DJ). For a stable operation in DPLL, we 

implement a highly linear phase interpolator (PI) in a proportional path. Besides, a multi-core 

and inductive tuning technique enables to operate a wide frequency range in DCO.  
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 Chapter 4 discusses the radiation hardening technique in a charge-pump PLL 

(CPPLL). In order to protect a control voltage, we introduce a feedback VCO which shows a 

low-pass characteristic for the control voltage to output frequency. It mitigates the frequency 

variation when there is a SEE attack at the control voltage. Furthermore, we analyze the 

characteristics of feedback VCO in this chapter. 

 Chapter 5 presents a low jitter PLL using adaptive-bandwidth technique which can 

operate at a constant bandwidth for high performance. We can utilize an overdamping system 

and the gain of closed loop VCO to implement bandwidth tracking PLL. This architecture 

also achieves sub-picoseconds of jitter and a wide tracking range making it suitable for 

systems high performance applications. 

 Chapter 6 provides the feedback DCO to linearize the gain of DCO which helps the 

stability in DPLL when we consider a different process, voltage, temperature (PVT) condition. 

The improvement of DCO linearity enables to operate at wide frequency range in DPLL. 

 In conclusion, we summarize the dissertation with an overview of accomplishments 

and contributions. Besides, we discuss future works for further step in chapter 7. 
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CHAPTER 2. BACKGROUND 

 PLL is one of the most widely used circuits in electronic system, which can 

synchronize the phase and frequency between input reference signal and oscillated output 

signal. Since PLL is basically a negative system, a zero difference in both phase and 

frequency between input and output signal is happened at the steady-state condition. In 

addition, the application of PLLs includes the synchronizations for digital communications, 

frequency synthesizers for mobile and radio frequency (RF) based electronics, 

phase/frequency modulation and demodulation, CDRs in high speed links, jitter suppression, 

and zero delay buffers for clock tree distribution. 

 

2.1 Analog PLL 

 A simple type II 3rd order CPPLL consists of five basic functional blocks; a phase 

frequency detector (PFD), a charge pump (CP), a 2nd order loop filter (LF), a VCO, and a 

feedback divider as presented in Fig. 2.1. 

A PFD compares the phase and frequency difference between input signal FREF and 

feedback signal FFB and generates UP and DN outputs according the phase and frequency 

difference. The PFD consists of two DFFs and AND gate to reset a state. There are three 

states in the PFD, which are UP, DN, and RST according to the edge of FREF and FFB. Initially, 

PFD detects the frequency difference and helps PLL to approach a target frequency. When the 

output frequency is close to the target frequency, only phase differences are provided to CP.  
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Fig. 2.1: CPPLL block diagram. 

The CP is comprised of two switched current sources, providing charging current and 

discharging current to the loop filter. Current sources are activated through two switches 

which are controlled by the output of the PFD. Since there is a switching noise at the switch, 

the switches are connected to the power and ground instead of the control voltage (VCTRL). A 

net charge is proportional to the phase and frequency difference coming from the PFD. If 

FREF leads FFB, the CP receives an UP signal and current is driven into the LF. Conversely, if 

FREF leads FFB, it receives a DN signal and current is drawn from the LF. When the phase 

difference is smaller than the on-time of switch, the output net charge is zero. Hence, there is 

no information even though the small phase difference is happened between FREF and FFB and 

this is called the deadzone of PFD and CP. To prevent the deadzone, we can insert an 

additional delay at the reset path which should be greater than the on-time of NMOS and 

PMOS switch.  
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The LF filters out jitter by removing glitches from the CP and preventing a 

perturbation of the VCTRL. Because there are two integrators in the loop, one is the capacitor 

in the LF and the other is phase integrator in the VCO, in order to stabilize the system, a zero 

must be introduced into the loop by adding a resistor in series with the main capacitor. The 

combination of CP and LF is an integrator that generates an average value proportional to 

phase and frequency difference. The second capacitor introduces a high frequency 3rd pole in 

the loop and works for a ripple bypass capacitor. Usually, low spur PLLs employ higher order 

ripple bypass capacitor. 

The VCO generates at a higher or lower frequency clock, which affects the phase and 

frequency of the FFB depending on the average VCTRL. When phase is locked, the phase error 

is zero and control voltage remains stable, along with the VCO output frequency. The VCO is 

most critical block in PLL, which can determine the overall performance. There are three 

types in oscillator, which are crystal, LC tuned, and ring oscillator. The crystal oscillator 

generates a low frequency, and shows an excellent frequency stability and phase noise. 

However, it is hard to be integrated on a chip. LC tuned oscillator presents good phase noise 

and moderate frequency stability. Besides, it consumes a large chip area. The ring oscillator 

shows a moderate phase noise and poor frequency stability. However, it generates a large 

frequency tuning range and consumes a small area. When we design the VCO, we should 

consider the major parameters which are amplitude, output frequency, stability, total noise, 

power consumption, frequency controllability and power supply rejection ratio (PSRR). Since 

there are various oscillators in the different specification, we should choose the optimum 

structure and parameter of VCO for the different application. 

Finally, the divider in the feedback path divides down FOUT to a lower feedback clock 
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frequency FFB and achieves phase lock with FREF. Therefore FOUT is N times larger than FREF. 

An integer divider can divide the frequency by integer value and fractional divider can 

generate a fractional dividing output. On the whole, the fractional divider is implemented 

with delta-sigma modulator (DSM) to obtain the dividing value. 

In order to check the characteristics of CPPLL, we need a small signal model and 

each noise sources are presented in Fig. 2.2. 

ICP

2π
F(s)

KVCO

s

1

N

ΦIN ΦOUT

SΦIN SICP SVR SΦVCO

SΦDIV

 

Fig. 2.2: Small signal noise model of CPPLL. 

The average charge dumped per reference cycle with the phase error Фe is  

2
∙ Φ 																																																												 2.1  

Thus, we can model PFD and CP contribution by ICP/2π [A/rad] where ICP is the charge pump 

current. F(s) is the transfer function of LF which is presented by  

1

1
																																	 2.2  
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Because the VCO is phase integrator in small signal model, VCO can be presented by KVCO/s 

where KVCO [Hz/V] is the gain of VCO. Moreover, 1/N is modeled by divider. Therefore, we 

can calculate the loop gain of CPPLL. 

2
∙

1

1
																																		 2.3  

1
, 0, 0,

1
																												 2.4  

Two poles are located in the origin and one pole can be approximated by 1/RC2 when C1 is 

much larger than C2. With the position of poles and zero, we are able to optimize the phase 

margin to achieve the stable operation of CPPLL [20]. 

Φ arctan arctan 																																					 2.5  

Fig. 2.3 shows the amplitude and phase of LG. In this case, the phase margin is 60 

degree and the bandwidth of CPPLL is around 600 kHz. The bandwidth (ωUGB) of PLL can be 

defined the frequency at which the PLL begins to lose lock with the input reference frequency. 

In addition, we can control the bandwidth of CPPLL with the loop parameters. 
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Fig. 2.3: Magnitude and phase of open loop gain. 

 For the generic noise analysis, we should identify all the noise sources in the CPPLL. 

SФIN is the reference clock noise power spectral density (PSD) and SICP is the CP noise PSD. 

Furthermore, SVR is the LF resistor PSD, SФVCO is the VCO phase noise PSD and SФDIV is the 

divider noise PSD. Then, we can evaluate the noise transfer functions from each of the noise 

source to the output as below equations. 

NTF s
Φ
Φ

∙
1

																																										 2.6  

NTF s NTF s 																																																						 2.7  

NTF s
Φ
I

2
I

∙
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																																					 2.8  
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Φ
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																																										 2.9  

NTF s
Φ
Φ

1
1

																																						 2.10  

 

Fig. 2.4: NTF magnitude responses. 

As we can check both the NTF equations and magnitude responses, NTFIN(s) and NTFCP(s) 

shows the low pass characteristic, NTFR(s) presents the band pass characteristic and 

NTFVCO(s) illustrates the high pass characteristic. Because the transfer characteristic of each 

noise sources is different, we should consider which noise is dominant at in-band and out-of-

band CPPLL to optimize the bandwidth and jitter performance. The output phase noise 

contribution can be calculated with each noise PSD and NTF as follows. 
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∙ |NTF s | 																																															 2.11  

∙ |NTF s | 																																																 2.12  

∙ |NTF s | 																																																 2.13  

∙ |NTF s | 																																												 2.14  

Eventually, the total output phase noise is the sum of each noise contributions and presents in 

Fig. 2.5. 

	 																																	 2.15  

 

Fig. 2.5: Total output phase noise. 
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if there is lots of noise in input signal, we should have a low bandwidth of CPPLL because 

NTFIN(s) has the low pass characteristic. On the other hand, if the VCO noise is dominant, we 

have to increase the bandwidth of CPPLL since NTFVCO(s) has the high pass characteristic. 

Moreover, the total output phase noise can be optimized with each component (ICP, R and 

KVCO). Therefore, we have to take a step to design the CPPLL and there will be a trial and 

error for the optimization of phase noise. If we integrate the phase noise between certain 

frequencies, we are able to obtain RMS jitter (JRMS) as below equation [47], 

J
1

2
2 10 																																												 2.16  

where f0 is output frequency, f1 and f2 are frequency spectrum. In communication applications, 

the bandpass filter effect of the combined TX PLL and RX PLL is applied to the raw phase 

noise data before the final RMS jitter value is calculated. 

 

2.2 Digital PLL 

1

N

ΦIN ΦOUT

SΦIN SQTDC SQDCO SΦDCO

SΦDIV

KTDC KP

z-1

1-z-1
KI

KDCO

1-z-1

z-LD

 

Fig. 2.6: Small signal noise model of DPLL. 
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Based on the block diagram in Fig. 1.3, the small signal model of DPLL in z-domain 

is illustrated in Fig. 2.6. KTDC is the gain of TDC. KP and KI are the proportional and integral 

gain of DLF, respectively. Besides, KDCO is the gain of DCO and Z-LD is modeled for the loop 

delay which depends on the circuit implementation. In the same fashion with the analysis of 

transfer function in CPPLL, the loop gain of DPLL can be derived as below equation [20]. 

∙ ∙
1

∙
1

∙ 																							 2.17  

SQTDC is the TDC quantization error and SQDCO is the DCO quantization error, which 

are caused by the limited resolution of TDC and DCO circuits. SФDCO is presented by the DCO 

phase noise. Similar to the noise transfer function of the CPPLL, we can derive the each noise 

transfer function of DPLL when the DPLL total output phase noise is SФOUT as follows. 

NTF z
K

∙
1

																																	 2.18  

NTF z
K
1

∙
1

1
																														 2.19  

NTF z
1

1
																																							 2.20  

NTFTDC(z) shows a low pass characteristic and is inversely proportional to KTDC. Hence, a 

large TDC gain helps to reduce the amplitude of TDC noise. NTFDLF(z) presents a band pass 

characteristic in like manner to NTFR(s) of analog LF. It is worth to mention that NTFDLF(z) 

is proportional to the DCO gain. Thus, the low DCO gain provides the low amplitude of DCO 
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quantization noise. NTFDCO(z) represents a high pass characteristic and the high frequency 

components of DCO noise are passed to the output without filtering.  

 The output phase noise contribution can be calculated with each noise PSD and NTF 

as follows. 

∙ |NTF z | 																																													 2.21  

∙ |NTF z | 																																													 2.22  

∙ |NTF z | 																																													 2.23  

∙ |NTF z | 																																												 2.24  

 By adding the each noise contributions, we can find the total output phase noise of 

DPLL. 

	 																																	 2.25  

The procedure to find the noise contribution of DPLL is similar to that of CPPLL. Therefore, 

we are able to optimize the total output phase noise by controlling the bandwidth and each 

noise sources of DPLL. 

 

2.3 Jitter in PLL 

Understanding and analyzing clock jitter has become more important in PLL design 

with the advance of faster processors that require faster lines of communication. Jitter can be 
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defined the timing variations with respect to its ideal position in time. This deviation in a 

clock’s output transition from its ideal position can negatively impact data transmission 

quality. In many cases, other signal deviations, like signal skew and coupled noise are 

combined and labeled as jitter.  

 

2.3.1 Jitter Categories 

 Jitter falls into two broad categories: random jitter (RJ) and deterministic jitter (DJ) 

as shown in Fig. 2.7. 

Jitter

Deterministic
Jitter (DJ)

Random
Jitter (RJ)

Periodic
Jitter (PJ)

Data
dependent
Jitter (DDJ)

Intersymbol
Interface 

(ISI)

Duty cycle
distortion 

(DCD)

Bounded
uncorrelated
Jitter (BUJ)

 

Fig. 2.7: Classes of jitter. 

RJ is a broadband stochastic and non-deterministic Gaussian process that is 

sometimes referred to as intrinsic noise because it is always present. It is unpredictable 

electronic timing noise and typically follows a Gaussian distribution. Even though RJ is often 
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referred to as background or thermal noise, it can easily be the most significant contributor to 

overall PLL jitter. Since RJ is modeled as a Gaussian distribution, its instantaneous noise 

value is mathematically unbounded. RJ is assumed to have zero mean value and characterized 

by the RMS value, σRJ. In addition, peak-to-peak value of RJ must be quoted at a given bit-

error-rate (BER). RJ can be calculated with σRJ as follows [68].  

t
1

√2
																																																				 2.26  

The noise sources of RJ include extrinsic noise sources and intrinsic noise sources. The 

extrinsic noise sources are deterministic noises from the interference of other noise sources, 

such as supply noise, substrate noise and coupling from undesired signals. The intrinsic noise 

sources are the random noise from the interior of the circuits, for instance, thermal noise and 

flicker noise. In this analysis, we will focus on intrinsic noise because the target of this 

dissertation is to analyze the performance limitations and explore the design techniques for 

the intrinsic circuits of PLL. 

DJ is a type of jitter with a known non-Gaussian probability distribution though it 

may be very difficult to determine the specific cause. The peak-to-peak value of this jitter is 

bounded, and the bounds can be observed, repeated and predicted. DJ may be caused by 

crosstalk due to an interfering periodic signal, either from a switching power supply or 

simultaneous switching of high-speed outputs, the loss of transmission line, the duty-cycle 

distortion, and spread-spectrum clocking on an IC. In the DPLL design, the quantization error 

dominates DJ performance. There are two quantization error sources in DPLL: TDC 

quantization error and DCO quantization error. Deterministic noise can be further sub-
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classified into periodic jitter (PJ) and data-dependent jitter (DDJ). PJ presents the repetition at 

a fixed frequency because of modulating effect, such as spread spectrum clocking or PLL 

reference clock feedthrough. The other example of an interfering noise coming from a 

switching power supply is periodic because the noise will have the same frequency as the 

switching power supply. Moreover, PJ can be decomposed into a Fourier series of sinusoids. 

On the contrary, DDJ is correlated with either the transmitted data pattern or aggressor data 

pattern. DDJ is caused by phenomena such as phase errors in serialization clocks, channel 

filtering and crosstalk. An example of quasiperiodic DDJ is inter-symbol interference (ISI) 

caused by an isochronous 8B/10B coded serial data stream, for instance, Ethernet PCI 

Express. Since ISI is caused by channel loss, dispersion and reflections, equalization 

techniques can improve ISS jitter in serial link. Duty cycle error in TX serialization clocks 

and rise/fall time mismatch in post-serialization buffers can cause duty cycle distortion 

(DCD). DCD can be characterized with the sum of two delta function which comes from 

probability density function (PDF) of peak duty cycle error. The crosstalk can cause bounded 

uncorrelated jitter (BUJ) which is classified as uncorrelated because of being correlated to the 

aggressor. Although BUJ is uncorrelated, it is still a bounded source with a quantifiable peak-

to-peak value in time. Finally, the total jitter PDF is obtained by convolving the random and 

deterministic jitter PDFs. 

t t ∗ t 																																										 2.27  

where 	

t t ∗ t ∗ t ∗ t 																	 2.28  

An important note is that both correlated and periodic jitter has causes which we should 
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analyze in PLL. Once the causes have been identified, it is possible to take remedial actions 

to reduce a portion of the overall PLL jitter. 

 

2.3.2 Types of Jitter 

There are many different types of jitter commonly used and we should use the jitter 

measurement that best fits the particular applications. 

Peak-to-peak period jitter is the difference between the largest clock period and the 

smallest as illustrated in Fig. 2.8. 

Ideal cycle

Period Jitter
 

Fig. 2.8: Period jitter. 

It is a very useful specification for guaranteeing the setup and hold time of flip flops and 

calculating timing margins in digital systems. For example, a microprocessor requires 2 ns of 

data setup time, provided that the clock driving the microprocessor has a maximum of 2.5 ns 

period jitter. In this case, the rising edge of clock can occur before data is valid on the data 

bus. Thus, the processor will be presented with incorrect data, and the system will not operate. 
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As presented in Fig. 2.9, Cycle-to-cycle jitter is defined in JEDEC Standard 65B as 

the variation in cycle time of a signal between adjacent cycles, over a random sample of 

adjacent cycle pairs. The JEDEC standard further specified that each sample size should be 

greater than or equal to 1,000. 

TJ TJ+1

JCC = Max |TJ – TJ+1|  

Fig. 2.9: Cycle-to-cycle jitter. 

We should notice that cycle-to-cycle jitter only involves the difference in period between 2 

consecutive cycles and there is no reference to an ideal cycle. Cycle-to-cycle jitter is used 

whenever there is a need to limit the size of a sudden jump in frequency. The term peak-to-

peak is defined as the difference between the smallest and the largest period value sampled 

during a measurement. For instance, peak-to-peak jitter is useful when driving a PLL. In this 

situation, it can be desirable to limit the size of an instantaneous change in frequency to 

ensure that downstream PLLs remain in lock. Cycle-to-cycle jitter is the most difficult to 

measure usually requiring a timing interval analyzer. 

Long-term jitter measures the change in a clock’s output from the ideal position, over 

many consecutive cycles as presented in Fig. 2.10.  
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N cycles

Long-Term Jitter
 

Fig. 2.10: Long-term jitter. 

The actual number of cycles used in the measurement is application dependent. For PC 

motherboard and graphics applications, this term “many” usually refers to 10–20 

microseconds. Furthermore, long-term jitter is typically useful in graphics/video displays and 

long-range telemetry applications such as a pixel clock generator in analog front end (AFE). 

 

2.3.3 Jitter Specifications 

The performance of the PLL is measured using several parameters. Three of the 

common specifications used to characterize the PLL are jitter generation, jitter tolerance, and 

jitter transfer. 

Jitter generation (JGEN) is the measure of the intrinsic jitter produced by the PLL 

and is measured at its output. Jitter generation is measured by applying a reference signal 

with no jitter to the input of the PLL, and measuring its output jitter. The JGEN is usually 

specified as a peak-to-peak period jitter value and can be measured with an oscilloscope in 

the time domain or a spectrum analyzer in the frequency domain. 



45 

 

Jitter tolerance (JTOL) is a measure of the ability of a PLL to operate properly, for 

example, remaining in lock in the presence of jitter of various magnitudes at different 

frequencies, when jitter is applied to its reference. In other words, the JTOL is natural 

properties of CDR to quantify how much input jitter can be tolerated by a CDR loop without 

introducing the BER. The JTOL is usually specified using an input jitter mask and the 

requirement of JTOL depends on the specific applications, for example, the SONET mask 

posed by optical standards demands that the CDR must withstand a peak-to-peak jitter of 

15UI if the jitter varies at a rate below 100Hz as shown in Fig. 2.11.  

Frequency [Hz]

JTOL [UI]

f2f1

SONET
Type II PLL 

JTOL

15

1.5

0.15

 

Fig. 2.11: JTOL of type II PLL. 

We can notice that the designed PLL based CDR reaches the desired region such that it 

satisfies the minimum requirement of the SONET mask. 

 Jitter transfer (JTRAN) refers to the magnitude of jitter at the output of a device for a 

given amount of jitter at the input of the device. Input jitter is applied at various amplitudes 
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and frequencies, and output jitter is measured with various bandwidth settings. The JTRAN 

exhibits a low-pass characteristic, which is same as the close-loop transfer function in PLLs. 

Thus, a low frequency jitter passes through without attenuations, which allow it being tracked 

by the sampling clock in CDR. On the contrary, a fast jitter is mostly filtered and may cause 

sampling error if its amplitude is large enough. The JTRAN is typically specified using a 

bandwidth plot in Fig. 2.12. 

Frequency [Hz]

ΦOUT

BW

1

ΦIN

0.1dB

 

Fig. 2.12: JTRAN of CDR. 

It is worth to mention that the selection of an appropriate loop bandwidth value is 

application-dependent. If the clock source already has low jitter, then a higher low bandwidth 

might be suitable. However, if the input clock has significant jitter, a lower loop bandwidth 

should be considered. 

As shown above, we describe the common classes, types and specifications of jitter 

used in PLL. Using this information we should be able to expect the effects of jitter and 

design more reliable high-speed systems. 
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2.4 Fundamentals of Adaptive-Bandwidth PLL 

PLLs have been widely used in SOCs to generate various clock frequencies for A/D 

and D/A converters, digital processors, CDR in high speed links and as local oscillators (LO) 

in RF transceivers. In order to meet the requirement of different clock frequencies in various 

applications, PLLs are required to operate at wide frequency range and different divider value 

(N) with optimal bandwidth and jitter performance. On the whole, the total noise 

performance of PLL is mainly determined by VCO phase noise. Since VCO phase noise has 

the high pass filtering characteristic for the output phase and it is constrained by PLL 

bandwidth (ωBW) the larger bandwidth would give a better noise performance. The PLL 

bandwidth is limited by input reference frequency (ωREF) because of the inherently sampling 

delay in PFD, which makes the PLL bandwidth to be constrained to a decade below the 

reference frequency. Hence, the PLL bandwidth is limited by the lowest reference frequency 

over a wide frequency range, which is not the optimal condition for most operating frequency. 

Because the PVT variation affects the VCO frequency to vary by a factor of 2~3 between its 

slowest and fastest conditions, VCO must have a wide tuning range to ensure operation at the 

target frequency. The idea of adaptive-bandwidth PLL is to maintain a constant ratio between 

the PLL bandwidth and input reference frequency (ωBW/ωREF) regardless of wide operating 

frequency range, divider value and the PVT variation. The damping factor ζ should also be 

maintained constant or at least greater than 1 so that the PLL system will not operate at 

under-damping condition. As PLL bandwidth scales with operating frequency, PLL will 

maintain the optimal performance for all operating frequencies. Moreover, the adaptive-

bandwidth PLL controls the charge pump current (ICP) according to VCO frequency so that 

the variation of KVCO due to the PVT variations is also effectively compensated. 
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 To characterize the adaptive-bandwidth technique, we should demonstrate the small 

signal model of 2nd order PLL as previously shown in Fig. 2.2. We can ignore the second 

capacitor (C2) in LF and the loop gain is derived as below. 

2
∙

1
∙ ∙

1
																																				 2.29  

Thus, we can obtain the closed-loop transfer function. 

1
2
2

																																			 2.30  

In the 2nd order system, the natural frequency (ωn) can be approximated as loop bandwidth 

ωBW and characterize the response rate of PLL system. In addition, the damping factor (ζ) 

reveals the loop stability. When the damping factor equals to one, the system reaches the 

optimal critical damping. When it is less than one, the system is under-damping and becomes 

less stable. 

2
∙ 																																																						 2.31  

2 2
∙ ∙ 																																																			 2.32  

We can notice that ωn and ζ are functions of the various loop parameters which are typically 

fixed for a particular design [6]. 

There are mainly two possible approaches to obtain the adaptive-bandwidth PLL. 

The first method is to achieve constant ωBW/ωREF and ζ over the desired range of the 
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reference frequency and the variation of loop parameters caused by PVT variations at [1]. In 

this paper, the diode-connected transistor can be used as resistor R and obtain the relationship 

as below. 

1
∝ 																																																										 2.33  

The basic characteristic of transistor can also be applied in VCO and achieve below 

relationship. 

∝ ∝ 																																																			 2.34  

If the ICP is proportional to the IVCO, then we can obtain the constant ωBW/ωREF and ζ by 

keeping fixed C1, KVCO, and N as follows. 

∝
∙
2

																																																				 2.35  

∝
1
2

∙
2

																																																									 2.36  

Therefore, the PLL bandwidth tracks the reference frequency with wide frequency range and 

PVT variation.  

The second method is to maintain constant ωBW/ωREF ratio over a wide range of 

reference frequency and PVT variations. However, the damping factor which is 

corresponding to open-loop phase margin would vary to the different reference frequency as 

presented in [6]. As long as the loop dynamics satisfy ζ ≥1 in worst case, the PLL system 

would acquire the stable operation and almost achieve the optimal jitter performance as 
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keeping constant ζ=1. In other words, PLL system will operate in the over-damping condition 

in most cases and keep the ratio of unity gain bandwidth (ωUGB) and reference frequency to 

be fixed in all PVT cases. This will simplify the design since we only need for a constant 

ωUGB/ωREF relationship. At this point, the unity gain bandwidth is used to estimate PLL 

bandwidth. The ωUGB in the over-damping 2nd order system can be approximated as, 

∙ ∙
2

																																																			 2.37  

The unity gain bandwidth is merely related to the proportional gain in the loop. If the charge 

pump current is proportional to the oscillation frequency, we are able to achieve the constant 

ωUGB/ωREF as below. 

∝
∙ ∙
2

∙
∙
2

																															 2.38  

Since it is possible to achieve PVT and N independency, this method provides the simpler 

way to obtain the adaptive-bandwidth technique at the cost of over-damping loop dynamics 

 

2.5 Conclusion 

 We explore the basic function, block diagram and transfer functions of analog PLL 

and digital PLL in this chapter. The impact of each noise sources on the overall PLL system is 

discussed. This indicates that the jitter of CPPLL and DPLL determines the highest 

performance which a system can achieve and we can optimize the internal parameters and 

bandwidth to obtain the specific performance. Moreover, we discuss the jitter categories, 

types and specifications in order to understand its characteristic and design a low jitter system. 
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Finally, the adaptive-bandwidth technique is briefly introduced to achieve the optimal jitter 

performance in wide operating frequency range. 
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CHAPTER 3. A LOW JITTER WIDE RANGE 8 ~ 16 GHZ DIGITAL PLL WITH 

DUAL PATH DIGITAL LOOP FILTER 

3.1 Introduction 

Standards of wireline communication systems have increasingly required a stringent 

performance, such as, low phase noise and wide operating range on the frequency 

synthesizers. A conventional CPPLL can meet these requirements because of its good phase 

noise and broad frequency range. However, the total jitter of the CPPLL can be greatly 

increased due to the leakage current in the filter capacitor and the CPPLL needs a large area 

to implement a loop filter in SOCs. DPLLs have recently emerged as an alternative to the 

analog CPPLL to overcome low supply voltage, poor transistor behavior, larger area due to 

integrated capacitor and portability to advanced CMOS technologies. While the DPLLs are 

good candidate to replace the CPPLL in communication systems, DPLLs have obstacles for a 

quantization error in BBPD or TDC, the equivalent of the PD and CP combination in a 

conventional CPPLL. Moreover, in order to achieve a wide frequency range, we have to 

optimize the number of LC-tank, area and power consumption. 

The PDs detect a phase difference between the input reference and the feedback 

signal to generate the output signal for LF. A DPLL usually utilizes the BBPD which provides 

a simple interface to the DLF and does not have any inherent static phase offset. However, 

the BBPD has a large bang-bang output phase jitter because of its bang-bang behavior. 

Consequently, it degrades the performance of deterministic jitter in the DPLL. In addition, the 

BBPD ideally has a non-linear transfer function for input and output characteristic. This non-

linearity makes it difficult to control the loop dynamics as well as introduces a bounded limit 
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cycle. In practice, the BBPD employs a number of flip-flops with two input signal having a 

Gaussian jitter. J. Lee [1] analyzes the BBPD characteristic smoothing out by the inherent 

jitter as shown in Fig. 3.1. 

 

Fig. 3.1: PD characteristic with input jitter. 

By summing the positive and negative samples with a weighting given by the probability of 

their occurrences, we can find the gain of BBPD as equation (3.1). 

|∆
2

√2
																																																										 3.1  

Hence, the gain of BBPD is inversely proportional to the input jitter. A. Rylyakov [9] uses 

delay cells and delta-sigma modulator to control the linear BBPD gain. However, non-

identical delay cell introduces a jitter to BBPD and consumes an additional power for the 

delta-sigma modulator and cascading delay cells. 

 With the recent efforts of adopting digital intensive circuits in the area of analog 

circuit design, TDCs have been widely used as a fundamental circuit block in DPLLs. 

Because the minimum resolution is proportional to the delay time of a unit cell, the resolution 
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of TDC is closely related to process technology [17]. As an alternative approach to achieve 

fine-resolution TDCs, the two-step TDC [4] amplifies time residue after the coarse 

conversion and subsequently performs the fine conversion. Since the time amplification 

utilizes the delay increase due to meta-stability, it suffers from uncertainties of gain due to 

nonlinearity and Process-Voltage-Temperature (PVT) variations. Moreover, the cascading of 

1.5-b MDACs (Multiplying Digital-to-Analog Converters) as in the pipelined ADC has been 

proposed to achieve both fine resolution and wide conversion range [8], [13]. These TDCs 

realized using a linear phase detector followed by an ADC could provide a exceed gain that 

enables well-controlled loop dynamics and achieve the desired output jitter. However, TDCs 

are susceptible to acquire mismatches which appear as a large static phase offset and the 

needs for an ADC make it complicate to design. In addition, TDCs usually incur a large 

power penalty to provide a fine resolution. For instance, Y. Kim [5] spends 8mW to achieve 

7b resolution by means of 3D Vernier technique and J. Kim [27] uses an asynchronous 

pipeline scheme for 1.8ps resolution consuming 130mW. 

 The design of a linear and wide range DCO for a wireless/wireline communication 

application is a challenging work in VLSI field. A. Goel [22] designed a wide range DCO by 

using a dual tank approach and the area penalty is reduced by placing the inductor of one LC 

tank inside the inductor of the other tank as shown in Fig. 3.2.  
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Fig. 3.2: Dual LC tank DCO schematic. 

Because of the coupling effect between two stacked inductors the tuning of the inactive tank 

has a pushing effect to the active tank. It makes it possible to cover a frequency range from 

5.85 GHz ~ 11.64 GHz. Furthermore, the pushing effect incurs a cost of phase noise 

degradation at extreme frequency settings. Even though the DCO achieves an octave 

frequency range, the inactive mode has much smaller impedance compared to the active 

mode for an exact output frequency. This needs to effectively control the coupling in 

resonator and more insensitive parasitic capacitance. 

  

 



56 

 

Fig. 3.3 presents a DCO implemented in a 0.13 μm CMOS technology, which covers 

a frequency range from 5.6 GHz to 11.5 GHz [6]. 

 

Fig. 3.3: DCO block diagram using 4 LC-tank. 

In order to operate with a wide range frequency, this DCO applies four oscillator cores. Each 

oscillator core is directly coupled to a div/2 to produce I/Q signals that a 4:1MUX combines 

into a single set of 2.8 to 5.8 GHz quadrature outputs to drive the sine interpolator of the 

CDR. Each DCO core has three digitally controlled varactor tuning blocks with a different 

tuning range. The DCO shows a good phase noise of -116 dBc/Hz at 1 MHz offset because 

each DCO core is optimized for the corresponding output range. Nonetheless, this approach 

occupies a large chip area and shows huge power consumption. 
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3.2 Proposed Wide Range Low Jitter DPLL 

In order to overcome the BBPD phase jitter and achieve the wide range operation, we 

propose a dual path digital loop filter with linear phase interpolator and wide range DCO with 

multi-core and inductive tuning based on switched mutual coupling as illustrated in Fig. 3.4. 

Fig. 3.4: Proposed DPLL architecture. 

The dual path digital loop filter is able to separate an integral and proportional path in DPLL 

and the final output signal is coming from the integral path. The integral path is composed of 

the accumulator of integral path (ACCI), binary to thermometer converter, digital DSM and 

wide range DCO. The proportional path consists of the accumulator of proportional path 

(ACCP), binary to thermometer converter and a linear phase interpolator (PI). Since the 

integral path gain is much smaller than the proportional path gain for the stable operation in 

DPLL, we can reduce the effect of BBPD phase jitter. Moreover, we implement an octave 

range DCO operating 8 to 16 GHz with two LC tanks and utilize the inductive coupling 
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technique. In order to implement a phase domain proportional path, we design a highly linear 

4-8 GHz PI. The proposed DPLL can stably operate with the proportional path implemented 

by the linear PI. The bang-bang PFD is the combination of BBPD and PFD to detect the 

phase/frequency difference and generate the digital word for two accumulators. After passing 

ACCI, MSB 5 bit goes to binary to thermometer converter and other LSB 10 bit converted to 

dithering 7 bit through the digital DSM. PVT controls, coarse and fine, are needed to cover 

the whole frequency variation of DCO with binary code while the integer and fractional 

controls change the DCO frequency uniformly with thermometer code. A half-divider is 

implemented to provide the I/Q clock for the input of linear PI. In addition, the final output 

clock comes through the buffer of I clock. We are using an integer divider to generate the 

various clock frequencies. Thus, the output frequency is N times of the input frequency. 

Henceforth, we should explore the internal blocks of the proposed DPLL staring with dual 

path digital LF. 

 

3.3 Dual Path Digital Loop Filter Control Technique 

KI

KP

REF

OUTVCO

z-1

DIVIDER

BBPD
DAC

SQPD
SQDCO SΦDCO

DCO

 

Fig 3.5: Conventional DPLL block diagram and noise sources. 

The conventional DPLL block diagram and its noise sources [20] are shown in Fig. 
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3.5. In the DPLL design, a quantization error usually dominates the DJ performance. There 

are two major quantization error sources in DPLL: BBPD quantization error (SQPD) and DCO 

quantization error (SQDCO). The limited resolution of BBPD and DCO affects the quantization 

error. Assuming uniform distribution for the quantization error, it can be easily shown that 

S
∆Φ
12F

	,			S
∆F

12F 	
																																										 3.2  

where ΔΦ and ΔF are the resolution of the PD and the DCO, respectively [30]. FREF is the 

DPLL reference frequency. The SQPD affects the output jitter through a proportional path. 

Hence, the DJ is proportional to the proportional path gain (KP). In general, the conventional 

DPLL is using a small divider value (N) to avoid this problem. However, N should be a large 

number to generate a video pixel clock in display applications because of a low input 

frequency. The SQDCO is another source of the DJ that is limited by the design requirement of 

a high resolution DCO. As the DCO is commonly designed with a DAC and VCO, the 

requirement becomes to implement a high resolution DAC. The finite resolution of the DAC 

manifests itself as DCO frequency quantization error, while as known a high resolution DAC 

is a challenging design task. Meanwhile, the intrinsic RJ noise sources are the random noises 

from the interior of the circuits, for instance, thermal noise and flicker noise. Phase noise is 

formed by the random phase modulation mainly coming from the oscillator (SФDCO). The 

conventional DPLL usually suffers from an inherent noise bandwidth tradeoff that 

deteriorates the RJ at DPLL output [10]. On the whole, a relatively low bandwidth is chosen 

to mitigate the PD quantization error for the sake of the DJ in the DPLL design. However, 

this brings on a challenge on the DPLL phase noise performance. 

 In order to reduce the DJ in DPLL, we need to remove KP from the feed-forward 
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path because the DJ coming from the PD quantization error is proportional to the proportional 

path gain as shown in Fig. 3.6.  
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Fig. 3.6: Feed-forward path without KP in DPLL. 

However, this gives rise to the stability issue in DPLL. Because of two integrators which are 

a digital integrator in the digital loop filter (LF) and a phase integrator in VCO, the loop 

becomes unstable. The feed-forward path should be added across the digital accumulator as 

illustrated in Fig. 3.7 to solve the stability problem. 
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Fig. 3.7: Phase-domain proportional path in DPLL. 
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Phase-domain proportional control should be demanded to connect the feed-forward path 

because the VCO output is a phase in s-domain. The digital-to-phase converter (DPC) 

changes the digital output (KP) to the phase (ΦP). The stability of this loop can be guaranteed 

by ensuring the output phase change due to the proportional path dominates the phase change 

due to the integral path. A large ratio of the proportional path gain over the integral path gain 

ensures that loop dynamics are dominated by the proportional path, thereby achieving an 

under-damped response [20]. Therefore, the integral path gain is much smaller than the 

proportional path gain and the proposed DPLL can suppress the PD quantization error by 

removing KP from the feed-forward path. 

 We design a linear phase interpolator operating 4 ~ 8 GHz to implement the digital-

to-phase converter. Furthermore, KP should be the integrated digital output from BBPD. 

Hence, we utilize the dual path digital loop filter to implement integrators at proportional and 

integral path in DPLL. By using the dual path digital loop filter, we are able to control the KP 

and KI separately to achieve the stable loop dynamics and optimize the DJ. 

 

3.4 Highly Linear 4-8 GHz Phase Interpolator 

 On the whole, phase interpolator adjusts and generates the phase between two input 

clocks. In our design, PI realizes the digital to phase conversion to implement the 

proportional path for stable operation. A weighted sum of two input clock phases is used to 

provide an output clock. There are two common structures to implement PI circuit. One 

method is to utilize a tail current summation [11] and the other one is a voltage mode 

interpolation [37]. Bulzacchelli [24] implemented CML based PI for 10Gbps transceiver. The 
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selection of I/Q polarity provides a full 360° phase rotation with a current steering DAC. 

Since PI is achieved by CML with current-steering DAC, the PI switching time when input 

control bits jumps from one phase to the other phase is determined by the CML switching 

speed. Thermometer is used for the current-steering DAC to reduce the mismatch. However, 

the mismatch of slew rate either input or output time constant affects the linearity over a wide 

frequency range. In fact, the PI’s non-linearity contributes a spur in the PLL output. Joshi [37] 

used mux selection for phase interpolation with voltage-mode summation method. A switched 

capacitor in the mixing mode can extend an operating range. Nevertheless, the design of a PI 

with high linearity to cover a wide range is a challenging task. L. Rodoni [12] designed phase 

rotators to interpolate two adjacent phases from eight signals which are generated by a DLL. 

The interpolator using the DLL achieves an operating frequency from 5.75 to 11.5 GHz. 

Nevertheless, the offset of cascaded delay cell in the DLL introduces a phase error at the 

interpolator output and the DLL consumes an additional power. In [20], a digital frequency 

locked loop (DFLL) is composed of a frequency detector (FD), a 14-bit accumulator, a 14-bit 

DSM and a DCO. The main purpose of the DFLL is to bring the VCO frequency close to the 

desired frequency within 1000 ppm and to generate equally-spaced multi-phases for the phase 

selecting multiplexer. The phase mux is implemented with a digital phase-switching control 

circuit and transmission gates for the multi-phase input signals. However, this technique 

requires a re-timer circuit to achieve glitch free operation and needs an equal delay element 

for small phase error. Hence, it is not appropriate for wide frequency range. 

 To cover a wide frequency range and achieve a high linearity, we implement a two-

step PI [19] operating from 4 to 8 GHz as illustrated at Fig. 3.8.  
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Fig. 3.8: PI block diagram. 

The two-step PI is composed of a trigonometric PI (TPI) cascaded with a linear PI (LPI), 

which is a combination of coarse and fine PI. The TPI generates the eight phases in 2π with 

π/4 coarse phase difference. Then, LPI produces fine eight phases between π/4 phase 

differences. Moreover, the low pass filter (LPF) generates input sine signal for TPI to 

improve the linearity. 

 In order to calculate the interpolated output signal, we are able to write phase 

interpolation formula. 

																																								 3.3  

Here, A and B are the weight coefficients, ω is the angular frequency and φ is the phase 
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difference of two input signals as depicted in Fig. 3.9.  
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Fig. 3.9: Phase constellation of two-step PI. 

In addition, we can prove below equations in phasor plot. 

																																																																	 3.4  

, 																																																							 3.5  

 According to the sinusoidal interpolator code mapping technique, if φ = π/2, A = 

sinφi and B = cosφi to provide the TPI output [19], 

∙ ∙ sin 													 3.6  

For same A and B, the interpolated output phase φi is π/4. Hence, we can provide π/4 and 
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5π/4 at TPI with the combination of I and Q clock. 

 If φ and θ are smaller than 1, φi can be approximated from the equation (3.5). 

φ																																																														 3.7  

When φi and θ are small, φi is proportional to φ with the ratio of A and B. Further, the output 

signal is given by 

																																								 3.8  

																																					≅ 	 2 ∙ sin	  

The LPI utilizes this equation to provide interpolated output signal with a small phase 

difference. 
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Fig. 3.10: TPI unit schematic. 
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We employ type-I phase interpolator circuit which has a differential pair structure 

[25]. Fig. 3.10 illustrates the schematic of TPI which has two differential pair and load 

resistors. To achieve the same magnitude between A and B, the transistor size of differential 

pair and tail current source are identical. In addition, common centroid and inter-digitized 

technique is applied to the differential pair to mitigate the mismatch at each transistor. Since 

TPI generates a single differential output with same A and B, the proposed two-step PI can 

simply the circuit implementation. It enables to operate at high frequency from 4GHz to 

8GHz. The dynamic current of each TPI is 2 mA at 1.2 V power supply. 
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Fig. 3.11: LPI unit schematic. 

The LPI provides eight phases from 0 to π/4 with a small input phase difference and 
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has a splitting differential pair structure to prevent the linear region operation of differential 

pair as presented in Fig. 3.11. In order to obtain the interpolated phase output proportional to 

input phase difference and acquire a high linearity, the input phase difference should be small, 

for example, less than π/4. The each unit cell has eight separate differential pairs which have 

individual tail current source. Hence, the coefficients of A and B in the equation (3.7) are 

proportional to the numbers of differential pairs whose tail current is active. Moreover, 

common mode feedback is implemented in TPI and LPI to maintain their minimum phase 

error at outputs. Consequently, the total 64 differential pairs are switched by 64 control bits. 

Therefore, a phase resolution of π/32 is achieved by the two-step PI in full 360° phase range. 

In addition, a current consumption of LPI is 1.5 mA. 

 Fig. 3.12 shows a tunable low-pass filter (LPF) to generate the sinusoidal inputs for 

the input of TPI. 
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Fig. 3.12: LPF schematic. 
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Since the matched rise and fall time of the input signals improves the linearity of PI [14], we 

design the LPF to convert a square wave to sine wave in the 4-8 GHz range. The LPF 

composes of a variable gain amplifier with adjustable tail current and controllable capacitor 

arrays. Moreover, a common-mode feedback circuit keeps the same voltage level of input I/Q 

clocks to reduce the mismatch. In like manner, we enhance the phase linearity at the output of 

PI. The LPF consumes maximum 2 mA at 4-8 GHz frequency range. 

 

3.5 Wide Range and Low Phase Noise 8 ~ 16 GHz DCO 

 With the growing amount of data between signal processing chips, we constantly 

demand a high speed bandwidth at wireless communication. A wide range DCO covering an 

octave frequency needs to support a high speed and continuous data rate. As we have early 

seen the wide range DCO structure in Fig. 3.2 and Fig. 3.3, these methods are effective to 

increase the frequency range. However, Fig. 3.2 has to control the coupling effects between 

active and inactive resonator and need more insensitive parasitic capacitance. In addition, Fig. 

3.3 requires a huge chip area to implement four resonators. We propose an inductive tuning 

technique based on switched mutual coupling to increase the frequency range of DCO. Even 

though the inductive tuning technique can degrade the phase noise of DCO due to decreasing 

Q-factor in LC-tank, the Q-factor of capacitor tank in 8 ~ 16 GHz range is comparable to one 

of inductor. Besides, the inductive tuning technique has no burden for chip area because a 

secondary inductor can be placed inside the primary inductor. Therefore, we utilize the 

inductive tuning technique in the proposed DCO structure. 

The inductive tuning technique based on switched mutual coupling is enabling to 
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increase the frequency range of DCO. Even though the inductive tuning technique can 

degrade the Q-factor in LC-tank due to the coupling effect, the phase noise in 8 ~ 16 GHz 

range is comparable to other DCOs [6, 9, 22]. The proposed DCO schematic is shown in Fig. 

3.13. 
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Fig. 3.13: Proposed DCO schematic. 

There are two LC tanks in which one tank covers a low frequency range, 8 ~ 12 GHz and 

another operates at high frequency range, 12 ~ 16 GHz. A detailed schematic of LC tank 
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consists of an inductor with an auxiliary inductor and switch, MOS varactors with various 

input control pin, NMOS negative Gm cell and a variable tail current source. In order to 

operate at higher frequency, we design NMOS Gm cell because it has a small size for a given 

gm requirement and a low parasitic capacitance. Besides, the NMOS Gm cell provides higher 

oscillation amplitudes which help to achieve a low phase noise. To change the frequency after 

setting low and high frequency LC tank, we use the various MOS varactors. For the 

generation of I/Q clock which are needed for the PI input, we design CML frequency divider 

operating over 16 GHz. Furthermore, coarse and fine control input is provided to cover the 

PVT frequency variation. The coarse input control with 5 binary bits has 4.7 GHz frequency 

variation and its resolution is 147 MHz/LSB. The fine control with 7 binary bits can cover 

294 MHz frequency range and has 2.3 MHz/LSB resolution. Meanwhile, the integral and 

fractional control inputs have 32 and 7 thermometer bits, respectively. The resolution of the 

integral control is 2.3 MHz/LSB which is determined by the stability condition of DPLL. In 

order to mitigate the frequency quantization effect of DCO, we design 2nd order DSM which 

has a 1 GHz sampling frequency. Therefore, the effective time-average frequency resolution 

is about 2.3 kHz and it exhibits a small DJ from DCO quantization error. 

 The inductive tuning technique for octave range has no burden for chip area because 

a secondary inductor (L2) can be placed inside the primary inductor (L1) as illustrated in Fig. 

3.14. 
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Fig. 3.14: Switched mutual-coupling inductor and its T-model. 

We can analyze the switched mutual-coupling with the T-model [28] in Fig. 3.14. In this 

model, L1 and L2 are the self-inductances of the primary and secondary coil. M is the mutual 

inductance which is proportional to the coupling factor k. ZSW is the non-ideal switch model 

which has on-resistance RON and off-capacitance COFF. The input impedance ZIN is found as 

ωk
																																							 3.9  

Because ZSW is approximately equal to 1/jωCOFF when the switch is off, the effective 

inductance seen by the capacitor is L1 inductor. 

, ≅
ωk

ω
																																										 3.10  

, ≅ 																																																													 3.11  

However, when the switch is closed, an opposite current to the primary coil induces a 

negative mutual inductance. Hence, the overall inductance can be mitigated by the mutual 
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coupling. 

, ≅ 1 																																																						 3.12  

, ≅ ∙ 																																										 3.13  

The losses of the switch and the secondary coil can transfer to the primary coil, which 

exacerbates the inductor Q due to the mutual coupling. Therefore, there is a tradeoff between 

inductance tuning range and Q degradation. In addition, we design NMOS switch for the 

secondary inductor because NMOS switch has a less parasitic capacitance than PMOS switch 

for the same resistance. A tail current source is implemented to change the amplitude of DCO 

output. On the whole, the tail current generates not only a thermal noise, but also 1/f noise 

which degrades the total phase noise of DCO. In order to reduce two noise sources in the tail 

current, we design a resistor degeneration to decrease the gm of tail current. However, it 

occupies the voltage headroom and lowers the output amplitude in the DCO. Unfortunately, 

the resistor degeneration deteriorates the total phase noise. Therefore, we optimize the tail 

current size for the low phase noise in the DCO. Moreover, we notice that a good symmetry 

of the output waveform lowers 1/f noise up-conversion. Hence, all the components of DCO 

should be the same structure and have a good matching in terms of schematic as well as 

layout. 

 

3.6 Mash 1-1-1 Delta-Sigma Modulator 

 A delta-sigma modulator has been used to improve the time-averaged capacitance 

resolution for providing fine capacitance step in DCO. We design a third-order multistage 
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noise shaping (MASH) delta-sigma modulator (DSM) [40] with ten fractional input bits as 

shown in Fig. 3.15. 
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Fig. 3.15: MASH-3 ∆Σ digital modulator. 

The frequency resolution of the proposed DCO is 2.3 MHz/LSB. Accordingly, the effective 

time-averaged frequency resolution with ten input bits should be 2.3MHz/210 = 2.25 kHz. The 

maximum logic operation frequency in 65nm process is 1.25 GHz. For the clock of DSM, we 

use 1GHz input clock to operate with PVT conditions and reduce the DSM noise effect to the 

proposed DPLL. In addition, we can control the order of DSM from first to third according to 

the noise possibilities and frequency resolution. The combiner merges the three carry-out bits 

and generates seven bits of DSM output as below equation. 

∙ ∙ ∙ 2 											 3.14  

The merging process of integer and fractional integral path control bits is performed inside 

the DCO through time-averaged capacitance summation. Therefore, we are able to decrease 

the DCO frequency quantization effect by using mash type DSM. 
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3.7 Bang-Bang Phase Frequency Detector and Stability 

Instead of using a high resolution and power hungry TDC [56, 73], we design the 

BBPFD in the proposed DPLL, which combines BBPD and PFD to detect the 

phase/frequency differences and generate the digital output as illustrated in Fig. 3.16.  
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Fig. 3.16: Proposed BBPFD schematic. 

The pass-transistor PFD enables to operate at higher frequency because it has a short slave 

reset time. Furthermore, it shows a low power consumption compared to other NAND type 

PFD. After generating UP and DN signal, bang-bang PD is implemented with a sense-

amplifier flip-flop to reduce the clock to Q delay time. The BBPD detects the sign of the 

phase error in the form of early/late (E/L) decisions. Because there are only two flip flops 

clocked at the reference frequency, this BBPD is very power efficient. The resolution of 

BBPFD is 2.5 psec at 125 MHz input reference frequency, which is comparable to the high 
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resolution TDC. 

The integral path is composed of an integral accumulator, binary to thermometer 

converter and DCO. The DPLL output is extracted from the integral path output so that we 

can reduce the BBPD phase jitter using dual path DLF. The proportional path consists of a 

proportional accumulator, binary to thermometer converter and linear PI. To keep the stable 

operation in DPLL, the phase change of the proportional path is much higher than the phase 

change of the integral path. The stability factor ξ [18] can be defined by the ratio of 

proportional and integral gain for the proposed DPLL. 

1 ∙ ∙

1 1
∆ ∙ ∙

																													 3.15  

Here, FDCO is DCO operating frequency, ∆FDCO is DCO frequency resolution, N is divider, 

KPI is the gain of phase interpolator, KP and KI is the gain of proportional and integral 

accumulator. In our design, KP is 1 and KI is 1/28. Accordingly, the calculated stability factor 

is 217, which means the proposed DPLL has overdamping response and is a stable system. In 

order to evaluate the bandwidth of DPLL, we abruptly change the input frequency and 

measure the propagation delay at the output frequency. The estimated bandwidth of DPLL is 

around 5 ~ 6 MHz, which is about 20 times smaller than input frequency. 

 

3.8 Simulation Results 

The low jitter and wide range DPLL with dual path DLF has been designed in 65 nm 

CMOS technology with 1.2 V supply. The tail current of DCO varies from 3 ~ 13 mA for 8 ~ 
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16 GHz operating frequency to optimize the output amplitude. The frequency range realized 

with inductive tuning based on switched mutual coupling is summarized at Table 3.1. 

Table 3.1: DCO frequency range 

LC Tank VLT [V] Frequency Range [GHz] Frequency Extension Ratio 

Low Core 
0 7.6 ~ 10.9 

24.2% 
1.2 8.6 ~ 12.7 

High Core 
0 10.6 ~ 15.0 

29.5% 
1.2 11.8 ~ 17.5 

 

 

Fig. 3.17: Phase noise of proposed DCO. 
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Fig. 3.17 shows the phase noise of proposed DCO at 8, 12 and 16 GHz. A symmetric 

rise and fall time of DCO outputs mitigate the 1/f noise up-conversion. Furthermore, we can 

optimize the transistor size of Gm cell and tail current source to reduce the thermal noise in 

DCO. The FOM which is described in [26, 41] is above 180 dB across the frequency range. 

Due to the dual path DLF, we can provide a small deterministic jitter of output clock 

with the reduction of BBPD phase jitter. Fig. 3.18 illustrates the eye-diagram of output clock 

at 8 GHz, which has the peak-to-peak jitter of 1.1 psec. On the contrary, the peak-to-peak 

jitter of PI output is 13.4 psec which is 12 times larger than DCO output clock.  

 

Fig. 3.18: Eye diagram of DPLL output.  
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Fig. 3.19 shows the layout of proposed DPLL which occupies an active area of 0.42 

mm2 (562 μm × 753 μm). MOS varactors are implemented to control the DCO frequency and 

the resistors of PI are realized with poly-resistors. A pin description is presented in Table 3.2. 

 

Fig. 3.19: Layout picture of proposed DPLL. 

 

Table 3.2: Pin Description 

PIN Name 
I/O 

Type 
Description Value 

1 RST_N DI ResetN (Digital LF and DSM) 
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2 VDDD12 DP Digital power 1.2V 

3 VSSD12 DG Digital ground 0V 

4 FIN DI Input clock 125MHz

5 VDDA12_BUF AP Buffer power for DCO and PI output 1.2V 

6 PIOUT_CLKB DO PI output clock (VOUT0N_PI) 
 

7 PIOUT_CLK DO PI output clock (VOUT0P_PI) 
 

8 VSSA12_BUF AG Buffer ground for DCO and PI output 0V 

9 VREF_MDIV_0P75 AI Reference voltage for MDIV biasing 0.75V 

10 VDDA12_PI AP PI power 1.2V 

11 VSSA12_PI AG PI ground 0V 

12 VREF_PI_0P9 AI Reference voltage for FPI cmref 0.9V 

13 CLK_AMPCALIB DI CLK for calibration of PI 
 

14 RST_AMPCALIB DI RST for calibration of PI 
 

15 VDDA12_PI AP PI power 1.2V 

16 VSSA12_PI AG PI ground 0V 

17 VDDA12_DCO AP DCO power 1.2V 

18 VSSA12_DCO AG DCO ground 0V 

19 VDDA12_DCO AP DCO power 1.2V 

20 VSSA12_DCO AG DCO ground 0V 

21 VREF_BUF_0P75 AI Reference voltage for buffer biasing 0.75V 

22 VSSA12_BUF AG Buffer ground for DCO and PI output 0V 

23 DCO_CLKB DO DCO output clock (I_CLKB) 
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24 DCO_CLK DO DCO output clock (I_CLK) 
 

25 VDDA12_BUF AP Buffer power for DCO and PI output 1.2V 

26 VREF_DCO_0P75 AI Reference voltage for DCO biasing 0.75V 

27 VSSA12_DCO AG DCO ground 0V 

28 VDDA12_DCO AP DCO power 1.2V 

29 VDDA12_PI AP PI power 1.2V 

30 VSSA12_PI AG PI ground 0V 

31 VREF_PI_0P8 AI Reference voltage for TPI cmref 0.8V 

32 VREF_PI_0P75 AI Reference voltage for PI and SDIV 0.75V 

33 RST_N_SR DI ResetN for Shift Register 
 

34 SETB_SR DI SetB for Shift Register 
 

35 CLK_SR DI Clock for Shift Register 
 

36 DATA_SR DI Data for Shift Register 
 

37 VDDD12_SR DP Digital power for Shift Register 1.2V 

38 VSSD12_SR DG Digital ground for Shift Register 0V 

39 VDDD12 DP Digital power 1.2V 

40 VSSD12 DG Digital ground 0V 
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The power consumption for the proposed DCO at 8 GHz is 7.4 mW and the FOM is 

approximately 181. Table 3.3 presents major performances of the proposed DPLL and 

compares these against conventional wide range DPLLs in standard CMOS technology. For 

instance, FOM of this work can be calculated by following equation. 

10 ∙
8 /1

7.4 ∙ 10
181.3																																	 3.16  

Table 3.3: Performance summary and comparison of wide range DPLLs 

 [22] [9] [6] This work 
Process 45 nm 65 nm 130 nm 65 nm 
Supply 1.1 V 1.2 V 1.2 V 1.2 V 

Tuning Range 
[GHz] 5.7 ~ 12.1 8.1 ~ 11.8 5.6 ~ 11.5 8 ~ 16 

Phase Noise 
[dBc/Hz] 
@ Offset 

Frequency 

-103  
@ 1 MHz 

-121  
@ 10 MHz 

-116  
@ 1 MHz 

-112  
@ 1 MHz 

RMS Jitter 
[fsec] 

(integrated 
range) 

362 
(7.2M ~ 6GHz) 

345 
(1M ~ 10GHz) 

299 
(1K ~ 1GHz) 

350 
(1M ~ 8GHz) 

Power 
Consumption 

[mW] 

20.9 

(DCO:8.0) 

31 

(DCO:20.4) 

44.4 

(DCO:14) 

26.2 

(DCO:7.4) 

Area [mm2] 0.11 0.09 1.0 0.42

FOM 172.0 166.1 178.5 181.3

 

3.9 Conclusion 

In this chapter, the low jitter and wide range DPLL based on the dual path DLF has 

been explored and designed in 65 nm CMOS technology. The feed-forward compensation 

technique at the proportional path enables to operate the DPLL stably and reduces the BBPD 
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phase jitter since the DPLL output is coming from not the proportional path but the integral 

path. The highly linear 4 ~ 8 GHz PI is realized for digital to phase conversion at proportional 

path. Moreover, a low phase noise and wide range 8 ~ 16 GHz DCO is designed to 

implement the integral path. The proposed DCO employs the inductive tuning method to 

operate at octave range with dual core LC tank. The simulation results show that DCO has a 

low phase noise of -112 dBc/Hz and DPLL illustrates a small RMS jitter of 350 fsec. The 

proposed DPLL shows 1.1 psec of DJ consuming 26.2 mW at 16 GHz frequency. 

Consequently, the proposed DPLL exhibits the low jitter performance and operates at the 

wide frequency range over the conventional DPLLs. 
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CHAPTER 4. RADIATION-HARDENED-BY-DESIGN PHASE-LOCKED LOOP 

USING FEEDBACK VOLTAGE CONTROLLED OSCILLATOR 

4.1 Introduction 

 Complex digital systems have been employing frequency synthesizers to provide a 

various clock to their systems in present days. Many integrated applications such as 

frequency synthesizers and inter-chip communication interfaces have traditionally used PLL 

circuits. However, a hazardous impact of radiation on the PLL circuits can be major issues in 

space electronic system. The penetration of highly energetic particles in space induces single 

event effect (SEE) which includes single event upset (SEU) and single event transient (SET) 

as illustrated in Fig. 4.1.  

  

Fig. 4.1: Radiation effect on circuit [www.esa.int]. 

SEU can cause the bit upset of logic states and malfunctions in digital circuits [21]. On the 

other hand, SET can perturb critical signals and affect the performance in analog circuits [29]. 
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Therefore, we need to design a RHBD PLL for providing an accurate and robust clock in 

aerospace applications. 

Extensive research about radiation hardened circuit designs has identified many 

attractive uses and has paved the technological path towards aerospace systems over the past 

decades. Dual-interlocked cell (DICE) and quatro cell become common approaches to 

mitigate soft errors in flip-flops [31, 42, 43] as shown in Fig. 4.2. If a radiation particle strikes 

a sensitive node (drain of a NMOS or a PMOS in off mode) and it loses its charge, the 

redundant nodes restore the state of this affected node and prevent an upset in the storage cell 

logic. The feedback paths in this structure insure that single node upsets are quickly corrected. 

 

Fig. 4.2: Dual-interlocked cell. 
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DICE uses redundant storage cells to become more vulnerable to SEU. On the whole, 

double modular redundancy (DMR) and triple modular redundancy (TMR) techniques were 

classical approaches to prevent SEEs in PLL circuits [38, 52]. TMR is one such technique 

where a module is replicated three times and the output extracted from a majority voter. 

Therefore, we can get the normal output even though one circuit affect by SEE. 

 

Fig. 4.3: Triple modular redundancy. 

Since they utilize triple delay cell or VCO, the area and power penalty using these techniques 

become critical issues in low power applications. As deep sub-micron CMOS technologies 

scale down, the sensitivity of SET has increased in the integrated circuits [50]. Because the 

most sensitive node in PLL is the input control voltage of VCO, H. H. Chung analyzed the 

characteristics of PLL with the width and height of SET pulse [75]. T. D. Loveless introduced 

the voltage-switching CP to mitigate SET strikes on CP output [23, 32]. However, the 

coupling noise of power supply or ground to the control voltage can increase the PLL jitter 

and degrade the performance. 
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RHBD techniques using two CP, loop filter (LF) and cross-coupled VCO have been 

introduced in [15, 33]. Fig. 4.4 presents the architecture of previous PLL using RHBD 

techniques. 

 

Fig. 4.4: Conventional RHBD PLL architecture. 

They utilize DICE flip-flop to eliminate SEU effect on digital circuit, such as PFD and 

divider. In addition, the cross-coupled ring VCO is implemented to mitigate SET strikes at 

the internal nodes of VCO. Although DICE and the cross-coupled VCO prevent the SEU and 

SET effect in PLL, there is no method to protect the control voltage from the SET strike. If 

the SET current pulse strikes to the control voltage, it causes a voltage perturbation since the 

control voltage node has high impedance. Then, VCO generates the frequency variation 

according to the control voltage disturbance. Hence, SET strike at the control voltage induces 

a large deterministic jitter in PLL output clock. Furthermore, they usually use two CPs and 

LFs to reduce the SET effect in PLL, which consumes a huge area and increases a chip cost. 
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In this chapter, we propose a RHBD PLL using feedback VCO (FBVCO) to mitigate 

the SET strike on the control. On the contrary to the conventional VCO, the FBVCO is a 

negative feedback circuit consisting of an open loop VCO, an integrator and a switched-

capacitor resistor. Due to the negative feedback loop, it shows the low-pass transfer 

characteristics for the input control voltage and filters any perturbation from SET strikes on 

its voltage. When we apply the double-exponential SET pulse to the control voltage, the 

output frequency variation of the proposed RHBD PLL is decreased by 75% compared to that 

of the previous PLL. Moreover, the RHBD PLL can reduce the total size by adapting one CP 

and LF due to the filtering effect of the FBVCO on the control voltage. 

The rest of this chapter is organized as follows. Section 4.2 describes the proposed 

FBVCO and RHBD PLL. In that section, we explain the operation and the loop 

characteristics of FBVCO. Section 4.3 illustrates the simulation results of the FBVCO and 

the SET strike effects on the RHBD PLL. Finally, a conclusion is given in Section 4.4. 

 

4.2 Proposed FBVCO and RHBD PLL 

4.2.1 Basic Operation and Linear Model of FBVCO 

In order to filter the SET pulse on the control voltage, we propose an embedded VCO 

in voltage-mode feedback as illustrated in Fig. 4.5. 
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Fig. 4.5: Simplified FBVCO architecture. 

The FBVCO has the negative feedback loop as shown in Fig. 4.5. We utilize the switched-

capacitor resistor, which is named a frequency-to-current converter (FCC), to convert a VCO 

output frequency to a feedback current. The output current of FCC is proportional to the 

frequency of open loop VCO. A difference between a current coming from the input control 

voltage (VCTRL) and a current coming from the FCC is integrated by the integrator providing 

a voltage at its output. Due to the negative feedback system, the input current coming from 

VCTRL and the feedback current coming from the open loop VCO are equal at steady state. 

With this operation, the FBVCO can generate the output frequency in terms of the input 

control voltage. Thus, the output frequency is presented in the following equation. 

1
																																																						 4.1  

A phase domain analysis of the FBVCO identifies noise contributions from each 

noise sources and quantifies the VCO phase noise. A small-signal model of the closed loop 

VCO is presented in Fig. 4.6.  
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Fig. 4.6: Linear model of FBVCO. 

Each of the noise sources are represented by their PSDs. For instance, a current noise PSD of 

a resistor and a voltage noise PSD of the integrator are represented by SIRs and SVINT, 

respectively. 

The noise sources depicted in Fig. 4.6 are differently shaped by the closed-loop, and 

the output noise is determined by noise transfer functions (NTF) associated with each noise 

sources. Similar to the noise analysis of an analog PLL, we can evaluate an impact of the 

each noise sources on the output using the transfer function analysis. An open loop gain (LG) 

and a feed-forward path gain (KFF) are calculated in following equations, respectively [16]. 

																																																						 4.2  

2
																																																													 4.3  

An input control voltage noise transfer function can be derived as, 
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Φ 2 1

1

																																			 4.4  

The input control voltage noise transfer function has a 2nd order low-pass transfer 

characteristic. Thus, the negative feedback loop can filter and mitigate a disturbance of the 

control voltage. A VCO phase noise transfer function is expressed as, 

Φ

1
																																					 4.5  

At this point, the FBVCO noise transfer function shows a high-pass transfer 

characteristic. Intuitively, the VCO noise at a low frequency can be corrected by the relatively 

fast feedback loop. On the contrary, the loop is not fast enough to correct the error at high 

frequency. Hence, a high frequency noise is passed to the output without any filtering. 

Besides, an integrator noise transfer functions is given by, 

Φ 2 1

1
																																										 4.6  

The integrator noise transfer function has a low-pass transfer characteristic. We can 

derive a resistor noise transfer function and a FCC noise transfer function as follows, 

Φ Φ 2 1

1

																													 4.7  
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Finally, the total output phase noise is expressed as, 

																		 4.8  

Each of the individual terms is equal to the product of noise PSD with the squared 

magnitude of the corresponding NTF. The final simulation result obtained from the noise 

bandwidth optimization is illustrated in Fig. 4.7.  

 

Fig. 4.7: Output phase noise contribution from each individual noise sources in FBVCO. 

The total output phase noise at low frequency is dominated by the resistor noise and FCC 

noise. Because the VCO phase noise transfer function has the high-pass transfer characteristic 

and the negative feedback can inhibit the VCO phase noise, we can expect the low phase 
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noise in the FBVCO. 

 

4.2.2 Implementation of FBVCO 

The cross-coupled oscillator is implemented using four current-starved pseudo-

differential stages connected in a ring oscillator topology as shown in Fig. 4.8. The delay cell 

consists of a pair of two inverters whose outputs are coupled in a feed-forward manner 

through a transmission gate. 

VCTRLA

INPA INNA

VCTRLB

OUTN

INPB INNB

OUTP

 

(a) Schematic of delay cell 
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VCTRLA

VCTRLB

 

(b) Schematic of cross-coupled oscillator 

Fig. 4.8: Schematic of delay cell and cross-coupled oscillator. 

In general, a folded cascade operational amplifier in the integrator has been designed 

to realize a wide input/output swing, a high open loop gain and a high gain-bandwidth 

product. For RHBD amplifier design in the integrator, we apply the sensitive node active 

charge cancellation technique to bias circuit to protect sensitive nodes and the differential 

charge cancellation technique to promote charge sharing [36, 48]. The push-pull follower as 

an output buffer should provide a low output resistance in operational amplifier, which causes 

a low impedance node at the integrator output. Furthermore, we employ the quad-path RHBD 

switched-capacitor circuit for rail-to-rail signal swing [54]. 
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Fig. 4.9 RHBD folded cascade amplifier. 

 

4.2.3 Proposed RHBD PLL 

The proposed RHBD PLL using the FBVCO is illustrated in Fig. 4.10.  

PFD
DICE

FOUT

Main DIV
DICE

FREF

FFB

Vctrl

Feedback VCO with cross-coupled oscillator

SCR

Pre-DIV
DICE

FIN

Post DIV
DICE

Fig. 4.10: Proposed RHBD PLL architecture. 

The FBVCO is designed to mitigate the SET strike at the control voltage which is the most 
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vulnerable node in PLL. In addition, we can decrease the area about 45% by using one CP 

and LF and reduce the power consumption around 30% for the usage of pseudo-differential 

delay cells compared with prior works [33]. To generate 400 MHz output frequency, we use 

1/64 for main divider and 122 uA for charge pump current. In general, the bandwidth of PLL 

is 1/10 of the reference frequency. Because the bandwidth of FBVCO is 4 MHz which is ten 

times greater than that of PLL, FBVCO does not affect the loop characteristics of PLL. 

 

4.3 Simulation Results 

We design the proposed FBVCO and RHBD PLL in a 130 nm low power CMOS 

technology at 1.5V supply.  

 

(a) Conventional open loop VCO (OPVCO) 
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(b) FBVCO 

Fig. 4.11: V-to-F curve and KVCO comparison. 

For the fair comparison to evaluate the SET effect, we design the open loop VCO (OPVCO) 

and FBVCO to have the similar operation range and frequency gain as shown in Fig. 4.11. 

The KVCO of open loop VCO and FBVCO at 300 MHz is 440 MHz/V and 407 MHz/V, 

respectively. 

In order to verify the SET filtering effect on the FBVCO, we apply a rectangular 

voltage pulse having 0.1 V peak and 200 psec width to the input control voltage for the SET 

strike as illustrated in Fig. 4.12.  
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Fig. 4.12: Voltage pulse model for SET strike. 

After the SET striking of the voltage pulse, the comparison of the VCO output 

frequency variation between the conventional open loop VCO and the FBVCO presents in 

Fig. 4.13. 

 

Fig. 4.13: Comparison of VCO frequency variation. 
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As a result, the frequency variation of FBVCO is reduced 82% compared to open loop VCO 

due to the low-pass filtering effect on input control voltage. 

 A comparison of the phase noise between the open loop VCO and the closed loop 

VCO is illustrated in Fig. 4.14 [47]. Because the negative feedback loop in the FBVCO can 

suppress the phase noise of VCO with the high-pass characteristic for the VCO noise, the 

total phase noise of the FBVCO is reduced about 40 dBc at 1 kHz in comparison with the 

phase noise of the open loop VCO. 

 

Fig. 4.14: Comparison of phase noise between open loop and FBVCO. 
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double-exponential current SET pulse [32]. The current SET pulse strikes at the control 

voltage which is the input of FBVCO and at the integrator output which is the input of 

coupled oscillator as shown in Fig. 4.15. 
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FREF

FFB

Vctrl

Feedback VCO with cross-coupled oscillator
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Pre-DIV
DICE

FIN

Post DIV
DICE

Fig. 4.15: SET strikes on proposed PLL. 

 

Fig. 4.16: Comparison of PLL output frequency variation with SET pulse at Vctrl. 
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Fig. 4.16 presents the PLL output frequency variation between the previous and 

proposed PLL when there is a SET strike at the control voltage. The peak-to-peak frequency 

variation with FBVCO is 576 kHz. Meanwhile, the peak-to-peak frequency variation with the 

conventional open loop VCO is 2.33 MHz. Therefore, FBVCO filters the SET pulse at the 

control voltage and the PLL frequency disturbance is greatly reduced to 75%. 

The characteristics of RHBD amplifier in the integrator include an open loop gain of 

81 dB, a phase margin of 52 degrees, a gain-bandwidth product of 27.2 MHz and an output 

resistance of 150 Ω as illustrated in Fig. 4.17. 

 

(a) Voltage gain 
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(b) Output resistance 

Fig. 4.17: Gain and output resistance of RHBD amplifier. 

This amplifier in the FBVCO utilizes push-pull output buffer to achieve the low output 

resistance. On the other hand, the estimated output resistance without the output buffer is 25 

kΩ. We apply the double-exponential SET current pulse to the output of the integrator which 

is the input of cross-coupled oscillator, and simulate it between with and without the output 

buffer in the same fashion. 
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Fig. 4.18 shows the PLL output frequency variation applying SET pulse at the 

integrator output. 

 

Fig. 4.18: Comparison of PLL frequency variation with SET pulse at the integrator output. 
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The total output phase noise contribution of the proposed PLL with the FBVCO is 

shown in Fig. 4.19.  

 

Fig. 4.19: Total output phase noise contribution of the proposed PLL. 
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Fig. 4.20: Random jitter contribution of the proposed PLL. 

The performance of the proposed RHBD PLL is summarized in Table 4.1. 

Table 4.1: Performance summary 

Technology 0.13 μm Low Power CMOS 

Supply Voltage 1.5 V 

Output Frequency 3.125 MHz ~ 400 MHz 

Simulated Random Jitter 6.9 psec 

Power Consumption 6.2 mW 
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4.4 Conclusion 

We have described and designed the RHBD PLL with the FBVCO to alleviate the 

SET attack on the control voltage in 130 nm low power CMOS technology. Unlike the 

conventional open loop VCO, the FBVCO can filter the perturbation at the control voltage 

from the SET strike. For this reason, the proposed RHBD PLL has 576 kHz output frequency 

variation at 300 MHz with the SET strike at the control voltage, which is 75% reduced in 

comparison with the frequency variation of the previous work. Because the FBVCO protects 

the control voltage, the proposed RHBD PLL only needs one LF and CP. Consequently, we 

can also reduce the size and the power consumption about 45% and 30%, respectively. This 

PLL has 3.125 MHz to 400 MHz of the output clock frequency range and 6.9 psec of the 

random jitter. 
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CHAPTER 5. A 320MHZ-2.56GHZ LOW JITTER PHASE-LOCKED LOOP  

WITH ADAPTIVE-BANDWIDTH TECHNIQUE 

5.1 Introduction 

PLLs have been widely used to generate a various clock in a modern ASIC and SoC 

systems [44, 51, 59]. These systems require different clock frequencies in various 

applications. In order to achieve these demands, PLLs need to operate at a wide frequency 

range with a large multiplication factor (M). Moreover, PLLs should have promising 

solutions for optimal bandwidth and jitter performance to meet specifications. However, PVT 

condition will cause uncertainties in loop parameters, such as the gain of VCO, CP current, 

pole/zero frequency, and phase margin. Hence, the variations of M and CP current over the 

PVT conditions will deteriorate jitter performance of PLL and consume more power to meet 

the desired specification. 

 In general, the VCO phase noise is the most dominant factor in PLL noise 

performance. Because the VCO noise is constrained by PLL bandwidth (ωBW) and its noise 

transfer function has high-pass characteristics, the larger ωBW would give a better jitter 

performance. However, ωBW is directly limited by PLL reference frequency (ωREF) because 

the noise transfer function of input reference frequency has a low-pass characteristics and 

PLL has an inherent sampling delay in PFD. The sampling delay manifests as a right-half 

plane (RHP) zero so that it could degrade phase margin and cause loop instability. Thus, ωBW 

is commonly constrained to be a decade below ωREF [34, 66]. In order to avoid the instability 

issue at a fixed bandwidth PLL, ωBW is constrained by the lowest operating frequency over a 

wide frequency range, which is not an optimal condition over the whole operating frequency. 
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To achieve a low jitter performance in the wide frequency range, the VCO needs more power 

to mitigate the phase noise and it causes huge power consumption in PLL. 

Recently, in order to obtain the optimal jitter performance over the PVT variations 

and the wide frequency range, self-biased and adaptive-bandwidth tracking PLLs have been 

published [45-46, 60-63]. Maneatis used the self-biased PLL with symmetric load and 

programmable current mirrors to achieve a constant ωn/ωREF and damping factor ζ over the 

desired range of ωREF and PVT variations as shown in Fig. 5.1 [46]. They use a 1/gm 

resistance from the VCO bias generator that is proportional to the output period. Two charge 

pumps are provided to drive the capacitor and resistor separately. Moreover, the charge pump 

current is proportional to the current generated inside the VCO to make the open-loop gain 

related to the output frequency. 

 

Fig. 5.1: Self-biased PLL architecture. 
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However, the nonlinearity of 1/gm resistor can cause an error in PLL loop dynamics and the 

switches using in the sampled feedforward filter may suffer from a charge injection and clock 

feedthrough.  

Sidiropoulos introduced a regulated-supply PLL using output impedance of 

regulating amplifier for the loop resistor [60].  

 

Fig. 5.2: Supply-regulated PLL. 

The first integral charge pump CP1 generates the loop integral control voltage VINT. It is 

buffered by the regulating amplifier whose output is shunted with the output of the second 

proportional charge pump CP2 to form the VCO control voltage VC. The resistor R in 

proportional loop is the output impedance of regulating amplifier gmOP. Besides, R is 

proportional to the square root of CP current. Hence, constant ωn/ωREF and ζ is achieved over 



109 

 

wide operating range and PVT variation. For the two CP current, ICP1 and ICP2 can be scaled 

independently to compensate for varying frequency multiplication factor N, which makes it 

possible that the PLL obtains the optimal loop bandwidth ωn and damping factor ζ tracking 

with ωREF and independent of PVT and multiplication factor N. 

To maintain a constant ωBW/ωREF ratio and guarantee the over-damping PLL 

operation at ζ ≥ 1, Yan utilized a current-mode filter for the self-biased PLL as illustrated in 

Fig. 5.3 [61]. They designed the current-mode filter to make the PLL bandwidth independent 

of PVT and multiplication factor N with CP current proportional to the VCO current. 

Eventually, the PLL bandwidth is determined by reference frequency ωREF, the ratio of 

ICP/IVCO and the resistor ratio. 

 

Fig. 5.3: PLL utilizing current mode filter. 
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Even though there is a limitation for a fast settling compared to a critical damping system, 

this approach gives us a much simpler method to implement an adaptive-bandwidth circuit. 

Jung achieved the adaptive-bandwidth PLL with self-biased V-I converter [62], which is a 

similar approach to Yan. Guo applied the adaptive-bandwidth for a short locking time [71]. 

This chapter presents a novel adaptive-bandwidth technique to obtain a low jitter 

PLL using a closed loop VCO [39]. The closed loop VCO shows the linear relationship 

between the input control voltage and the output frequency due to the negative feedback loop. 

The proposed adaptive-bandwidth PLL utilizes the gain of the closed loop VCO to achieve a 

constant ωBW over the desired output frequency range. With this technique, we are able to 

reduce the integrated RMS jitter over the entire operating frequency. The rest of this chapter 

is organized as follows. Section 5.2 describes the proposed adaptive-bandwidth PLL. In that 

section, we explain the operation of the closed loop VCO and analyze the loop characteristics 

of the adaptive-bandwidth PLL. Section 5.3 illustrates the simulation results of the proposed 

PLL and compares a bandwidth and jitter to a conventional fixed-bandwidth PLL. Finally, a 

conclusion is given in Section 5.4. 

 

5.2 Proposed Adaptive-Bandwidth PLL 

5.2.1 Characteristics of Closed Loop VCO 

 Fig 5.4 shows the closed loop VCO which has a linear relationship between an input 

control voltage and an output VCO frequency. 
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Fig. 5.4: Closed loop VCO architecture. 

The switched-capacitor resistor, which is named a frequency-to-current converter 

(FCC), converts the VCO output frequency to a feedback current. Because of the negative 

feedback system, the input current coming from VCTRL and the feedback current coming from 

the open loop VCO are equal at steady state. Therefore, the VCO output frequency is 

presented in the following equation and we can derive the gain of closed loop VCO (KCLVCO). 

1
																																																								 5.1  

1
																																																									 5.2  

Using a phase domain analysis of the closed loop VCO, we can derive the input 

control voltage noise transfer function. 

Φ 2 1

1

																																			 5.3  
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ФOUT shows the VCO output phase and the input control voltage noise transfer 

function has a 2nd order low-pass transfer characteristic. Besides, the bandwidth of closed 

loop VCO (ωBW_CLVCO) can be derived by following equation. 

_ 																																																			 5.4  

Here, KVCO represents the gain of open loop VCO. The ωBW_CLVCO should be at least ten times 

larger than the PLL bandwidth not to affect the loop dynamics of PLL for stability. 

 

5.2.2 Characteristics of Adaptive-Bandwidth PLL 

To simplify the design of the adaptive-bandwidth PLL, we apply an over-damping 

condition to the proposed PLL [61]. As long as the loop dynamics satisfy ζ is greater than 1 in 

worst case, the PLL system would get rid of loop instability problem and almost achieve the 

optimal jitter performance as keeping constant ζ=1. At the same time, we design the proposed 

PLL operating in the over-damping condition in most cases and achieve the constant 

ωUGB/ωREF in all cases. At this point, the unity gain bandwidth ωUGB is utilized to estimate the 

PLL bandwidth in the over-damping PLL. The ωUGB in the over-damping 2nd order system 

can be approximated as following with the gain of closed loop VCO. 

2
																																																						 5.5  

The ωUGB is only related to the proportional gain of PLL. Hence, the relationship of 

ωUGB/ωREF can be obtained by replacing KCLVCO in equation (3.28). 
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1
2

∙ ∙ 																																																	 5.6  

Furthermore, we control the ICP with the VCO oscillation frequency using the current 

mirror. 

∝ ∙ 																																																						 5.7  

Finally, the constant ωUGB/ωREF can be derived by following equation [39]. 

1
2

∙ ∙ ∝ 																																					 5.8  

This equation shows that the PLL bandwidth ωUGB is proportional to the reference frequency 

ωREF. Therefore, we achieve the adaptive-bandwidth PLL using the closed loop VCO. In 

addition, the proposed PLL can obtain the loop dynamics with the independent of M. This 

method utilizes the simpler way to achieve the adaptive-bandwidth technique at the cost of 

over-damping loop dynamics. 

 

5.2.3 Implementation of Adaptive-Bandwidth PLL 

The proposed adaptive-bandwidth PLL which operates 320 MHz to 2.56 GHz 

illustrates in Fig. 5.5. To operate at the wide frequency range, we use a large multiplication 

factor from 16 to 128. In order to reduce the charge sharing effect, we implement a 

bootstrapped current-switched CP with differential inputs and single ended output. The 

bootstrapping allows a differential current steering for the up and down CP current. The unity 

gain buffer keeps the VDS of current source equal to VCTRL when the UP and DN switches are 
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off. On the whole, the bandwidth of PLL is 1/10 of the input reference frequency for stable 

operation. In this design, the bandwidth of PLL is around 2 MHz by using 20 MHz input 

frequency. In addition, this bandwidth is optimized for the 320MHz output frequency to 

ensure the stability of PLL. Meanwhile, the bandwidth of closed loop VCO is about 200 MHz. 

Hence, the closed loop VCO does not give any effect to the loop dynamics of PLL. 

PFD

Divider

FFB

VCTRL
FIN

FCC

UP

DN

UPUPB

DNDNB
PVCO

PB

NB

ICP = k · ICCO

ICP = k · ICCO

ICCO

FOUT

NOCG

PB

NB
PVCO

IBIAS

RLF

RS

CS

Fig. 5.5: Proposed adaptive-bandwidth PLL architecture. 

The open loop VCO is implemented using four current-starved pseudo-differential 

stages connected in a ring oscillator topology. The delay cell consists of a pair of two 

inverters whose outputs are coupled in a feed-forward manner through a transmission gate. 

We utilize the charge pump including unit gain amplifier to reduce a charge sharing effect 

[53]. The ICP is proportional to the current of the oscillator (ICCO) to achieve the adaptive-

bandwidth technique. Here, the ICCO is about 4 times larger than ICP over the frequency range. 

 

5.3 Simulation Results 

We design the proposed adaptive-bandwidth PLL in 130 nm CMOS technology at 
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1.2 V supply. The simulated KCLVCO is 6.67 GHz/V. For the 2.56 GHz output frequency and 

60 degree phase margin, the resistor in LF is 2 kΩ and the CP current is 140 uA. Fig. 5.6 

shows the total output phase noise contribution of the proposed adaptive-bandwidth PLL.  

 

Fig. 5.6: Total output phase noise contribution of the proposed adaptive-bandwidth PLL. 

We can notice that the output phase noise contribution of closed loop VCO is a quite low 

because the negative feedback loop is able to suppress the phase noise of close loop VCO. 

Therefore, the integrated RMS jitter at 2.56 GHz is calculated to 2.35 psec. 

In order to compare the performance of PLL, we also design the fixed-bandwidth 

PLL which includes the conventional open loop VCO with 6.7 GHz/V gain which is similar 
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with the gain of closed loop VCO. Furthermore, the loop dynamic of fixed-bandwidth PLL is 

optimized at the low output frequency for a stable operation. Fig. 5.7 presents the ωUGB/ωREF 

over the operating frequency range.  

 

Fig. 5.7: ωUGB/ωREF versus VCO frequency. 

The adaptive-bandwidth PLL has a constant ωUGB/ωREF ratio compared to the fixed-

bandwidth PLL over the operating frequency. The ωUGB/ωREF ratio is increasing to the higher 

output frequency because of the mismatch between ICP and ICCO at the high frequency. 
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Fig. 5.8 illustrates the integrated RMS jitter between proposed adaptive-bandwidth 

and conventional fixed-bandwidth PLL.  

 

Fig. 5.8: Comparison of integrated RMS jitter. 

Since the proposed PLL has a constant bandwidth and the loop dynamics are optimized to the 

whole frequency range, we are able to obtain a small integrated RMS jitter compared to the 

conventional PLL. For instance, we can reduce the integrated RMS jitter about 70% in 

comparison to the conventional PLL at 2.56 GHz. As the output frequency increases, the 

bandwidth of conventional PLL decreases and the integrated RMS jitter becomes larger than 

the proposed adaptive-bandwidth PLL.  
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The integrated RMS jitter can be represented by the percent of VCO clock period as 

shown in Fig. 5.9.  

 

Fig. 5.9: Comparison of percent RMS jitter. 

Due to the adaptive-bandwidth technique, the proposed PLL has a constant percent of 

integrated RMS jitter. On the other hand, the conventional fixed-bandwidth PLL shows the 

increasing percent of integrated RMS jitter because the bandwidth is not optimized to the 

whole operating frequency and keeps decreasing as VCO frequency goes increasing. 

The performance of the proposed adaptive-bandwidth PLL is summarized in Table 

5.1.  
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Table 5.1: Performance summary 

Technology 0.13 μm CMOS 

Supply Voltage 1.2 V 

Input Frequency 20 MHz 

Multiplication Factor 16 ~ 128 

Output Frequency 320 MHz ~ 2.56 GHz 

Simulated  Random Jitter 2.35 psec @ 2.56 GHz 

Simulated  Deterministic Jitter 8.4 psec @ 2.56 GHz 

Power Consumption 2.6 mW @ 2.56 GHz 

Area 0.092 mm2 

 

5.4 Conclusion 

The adaptive-bandwidth technique using closed loop VCO has been described and 

designed in 130 nm CMOS technology in order to achieve a low jitter PLL. The closed loop 

VCO has a linear relationship between the input control voltage and the output VCO 

frequency. In addition, the adaptive-bandwidth technique utilizes the gain of closed loop 

VCO to achieve the constant ωUGB/ωREF ratio over the entire output frequency range. 

Therefore, we can optimize the loop dynamics of PLL over the whole frequency range and 

achieve the low integrated RMS jitter compared to the conventional fixed-bandwidth PLL. 

Meanwhile, we design the bandwidth of closed loop VCO much higher than PLL bandwidth 

so that the closed loop VCO gives no effect to the loop dynamics of PLL. In simulation, the 

proposed adaptive-bandwidth PLL illustrates the integrated RMS jitter of 2.35 psec which is 

70% smaller than the conventional PLL. This proposed PLL has 2.6 mW of power 

consumption at 2.56 GHz output frequency.  



120 

 

CHAPTER 6. DESIGN OF A FEEDBACK DIGITALLY CONTROLLED 

OSCILLATOR FOR LINEARITY ENHANCEMENT 

6.1 Introduction 

A lot of efforts have been made to take benefits of a high speed, low power 

consumption and small size in the design of PLLs by replacing as much analog circuitry by 

digital one as possible [55, 74]. For instance, analog RC loop filters are replaced with digital 

loop filters to overcome a process limitation at scaling down. Moreover, time to digital 

converter (TDC) replaces with PFD and CP in digital domains. A DCO in digital PLLs has a 

same role for a VCO in analog PLLs [35, 64, 65]. Since traditional analog designs have low 

voltage headroom, nonlinearities, manufacturing tolerances and noise, these digital intensive 

approaches easily migrate to deep-submicron processes. 

Recently, digital PLLs have been designed with low power and high performance 

digital circuits in advanced CMOS technologies [57-58, 69-70]. Even though there are major 

parts in DPLL circuits, the DCO is one of the most critical components like the VCO in 

analog PLL. However, most ring-based DCOs suffer from a non-linearity which is coming 

from a nonlinear current cell array in digital to analog converter (DAC) and a nonlinear 

conversion from input voltage to output frequency in VCO [49]. Fig. 6.1 illustrates the effects 

of KVCO nonlinearity. The KVCO ratio in this figure means the ratio of real and ideal KVCO. In 

other words, when the real and ideal KVCO are equal, the phase margin has maximum value, 

70 degree, and the bandwidth is about 0.5. 
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Fig. 6.1: Effects of KVCO non-linearity. 

We should notice if the KVCO ratio increase, which means KVCO linearity is getting worse, 

then the phase margin would decrease and the bandwidth is increased. Therefore, the non-

linearity of DCO causes an instability and narrow operating range in DPLL. 

There is a feedback VCO to prevent a single event transient (SET) in a RHBD PLL 

[16] as shown in Fig. 4.5. This feedback VCO has a linear relationship between an input 

control voltage and an output frequency due to the negative feedback. However, it has an 

analog integrator and a switched capacitor circuit which should be carefully designed for a 

process migration. 

In this work, we propose a novel feedback DCO to achieve the high linearity and 
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easy migration to deep-submicron processes [68]. The feedback DCO shows the linear 

relationship between the input digital control word and the output frequency due to the 

negative feedback loop. Furthermore, most of the circuits in feedback DCO are highly digital 

circuits. Therefore, we can make an easy migration to the advanced processes. The rest of this 

paper is organized as follows. Section 6.2 describes the proposed feedback DCO. In that 

section, we explain an operation, loop characteristics and implementations of feedback DCO. 

Section 6.3 illustrates the simulation results of feedback DCO and compares the linearity of 

feedback DCO gain. Finally, a conclusion is given in Section 6.4. 

 

6.2 Proposed Feedback DCO 

6.2.1 Characteristics of Feedback DCO 

DR DCO

DCDL

TDC

DV

DCTRL
FDCO

ACC TD

ACCIN

 

Fig. 6.2: Simplified feedback DCO architecture. 

In order to achieve a linear DCO gain, we propose the feedback DCO as illustrated in 

Fig. 6.2. The feedback DCO is composed of a conventional open loop DCO, a digitally 

controlled delay line (DCDL), a TDC and an accumulator (ACC). We utilize the TDC to 

convert the difference of time delay between DCO and DCDL to a feedback digital control 

word (DV). The difference between the input and feedback digital control word is integrated 
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by the accumulator providing a digital word at its output. Because of the negative feedback 

system, the input DR and the feedback DV are equal at steady state. Hence, the output 

frequency can be presented in the following equation (3.32), which shows the linear 

relationship between the input DR and the output frequency of DCO (FDCO) [68]. 

1
																																																	 6.1  

It is beneficial to have the s-domain approximation model of the feedback DCO as 

shown in Fig. 6.3 in order to understand the noise contribution from each noise sources. 

Noise sources are represented by their power spectral densities. The feedback loop differently 

shapes the noise sources and the output noise is determined by the noise transfer functions 

associated with each noise sources. If necessary, we can easily transfer to z-domain by using 

a bilinear transform [67]. 

KACC

s
DR

DV

SVACC

KDCO

s

SVTDC

KTDC KDCDL

SΦDCDL

SΦDCO

ΦOUT

 

Fig. 6.3: Linear s-model of feedback DCO. 

The noise transfer functions of the input DR and the DCO noise (SФDCO) have 2nd order low-

pass and 1st order high-pass characteristics, respectively, as represented in equation (6.2). 
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Φ ∙
∙ ∙

																																									 6.2  

Φ
∙ ∙

																																													 6.3  

Hence, we can control and optimize a bandwidth of feedback DCO (ωDCO) according 

to the effect of each noise sources. 

∙ ∙ 																																																		 6.4  

 

6.2.2 Implementation of Feedback DCO 

The conventional DCO is usually a combination of a DAC and a delay cell based 

VCO [10, 55]. Fig. 6.4 illustrates the simplified DCO diagram which has a bias circuit, a 

DAC, a current controlled oscillator (CCO) and an output buffer.  

DAC

IBIAS

DCTRL

VB1 VB2

VDAC
CCO FDCO

BUFFER
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IREF

 

Fig. 6.4: Simplified open loop DCO diagram. 
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A CCO buffer is an ac-coupled inverter biased by replica inverter. This buffer has rail-to-rail 

output with a small duty cycle distortion and low power consumption. 

The 6-bit current DAC controls VDAC and changes the supply current of CCO, which 

varies the output frequency of DCO. Fig. 6.5 shows the 6-bit current DAC circuit. Each LSB 

of the 6-bit current DAC consumes 20 μA current.  

D1 D2 D6

ILSB

R

VDAC

VB1

VB2

D1

ILSB

RF

CF

 

Fig. 6.5: 6-bit current DAC circuit. 

In order to diminish glitches coming from clock feed-through and reduce a deterministic jitter, 

we utilize an auxiliary PMOS transistor. Besides, RC filter suppresses the DAC noise and 

generates an analog output voltage, VDAC. 

The CCO is implemented using four current-starved pseudo-differential stages 

connected in a ring oscillator topology as shown in Fig. 6.6. The delay cell consists of a pair 

of two inverters whose outputs are coupled in a feed-forward manner through a transmission 

gate. By using this coupling, the oscillator makes sure differential operations. 
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 (a) CCO architecture 
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(b) Delay cell 

Fig. 6.6: CCO schematic. 

In addition, we can implement the DCDL with the DAC and a voltage controlled 

delay line (VCDL). Because the delay cell of VCO and VCDL is the same inverter based 

structure, the gain variation of unit delay cell between DCO and DCDL is constant. 
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To implement a basic TDC, we utilize a delay line based flash TDC [72] as illustrated 

in Fig. 6.7. 
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Fig. 6.7: Delay line based flash TDC. 

It consists of a string of a delay buffer, a DFF and a thermometer to binary encoder. The input 

clock FS samples the reference signals over the delay line and generates thermometer code 

output, which is interpreted by the encoder. The N-bit binary code digital output DOUT 

represents the time difference between two input signals with a resolution of TD which is 

TS/2N. 

Moreover, the digital accumulator is fully synthesized with digital gates and has 6-bit 
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length for a simple implementation in this design. 

 

6.3 Simulation Results 

We design the proposed feedback DCO in 130 nm CMOS technology at 1.2 V power 

supply. The gain of DCDL is 2 ns/LSB and the unit delay of flash TDC is 16 psec. Fig. 6.8 

shows the input digital control word versus output frequency and the gain of the conventional 

DCO. The output frequency range is from 2.05 GHz to 2.35 GHz with the 5-bit input digital 

control word and the peak-to-peak gain variation is 520 MHz/LSB. 

 

Fig. 6.8: Frequency and gain curve of conventional DCO (a) DCW vs Frequency (b) Gain.
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The input DR versus output FDCO relationship and the gain of the proposed DCO is 

illustrated in Fig. 6.9. We set a similar output frequency range with the conventional DCO for 

a fair comparison. Due to the negative feedback loop, the peak-to-peak gain variation of the 

proposed DCO is reduced to 17 MHz/LSB. 

 

Fig. 6.9: Frequency and gain curve of feedback DCO (a) DCW vs Frequency (b) Gain. 

The comparison of the DCO gain between the conventional and proposed feedback 

DCO is shown in Fig. 6.10. The gain of the proposed feedback DCO is flat and reduced 96% 

compared to the conventional one. 
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Fig. 6.10: Comparison of DCO gain. 

 

6.4 Conclusion 

 The feedback DCO has been described and designed in 130 nm CMOS technology in 

order to enhance the high linearity. The proposed DCO has the negative feedback loop which 

achieves the linear relationship between the input digital control word and the output 

frequency. Moreover, the feedback DCO has the low-pass filtering effect on the input digital 

control word. Thus, we optimize the bandwidth of the feedback DCO in accordance with 

each noise sources. In simulation, the proposed feedback DCO illustrates the peak-to-peak 
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gain variation of 17 MHz/LSB which is 96% smaller than the conventional DCO. This 

feedback DCO has 1.7 mW of power consumption at 2.2 GHz output frequency. 
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CHAPTER 7. CONCLUSION 

7.1 Summary 

 In this thesis, the theory, design and implementation of low jitter clock generators for 

application in the field of high speed wireline communications and spacecraft systems was 

presented. We have explored various circuit and system design techniques for reducing clock 

jitter and mitigate the effect of specific noises on timing circuits. 

 Firstly, we introduced the basic concept, block diagram and linear model of CPPLL 

and DPLL, respectively, in Chapter 2, where the transfer function of each block and noise 

makes us easily understand the operation and analyze the characteristics of PLL. Furthermore, 

we were able to analyze the jitter in PLL through its categories, types and specification. In 

order to design a low jitter PLL, the two common adaptive-bandwidth techniques were 

investigated and discussed. Based on these techniques, we could develop and implement a 

new adaptive-bandwidth PLL using closed loop VCO in Chapter 5. 

 In Chapter 3, we presented a low jitter and wide range DPLL using a dual path DLF, 

which enables to separate integral and proportional path in order to reduce the phase jitter of 

BBPD. A 4 ~ 8 GHz highly linear PI was realized at a phase domain proportional path for a 

stable operation. For the integral path, a low phase noise DCO was implemented with an 

octave range. In order to increase the operating range in DCO, we utilized dual core inductive 

tuning technique based on switched mutual coupling. Using the dual path DLF and octave 

range DCO, the proposed DPLL achieves a low jitter and wide range operation over 

conventional DPLLs. We simulated the proposed DPLL in 65 nm CMOS technology at 1.2 V 

power supply. The RMS jitter was 350 fsec integrated from 1 MHz to 8 GHz and the 
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deterministic jitter showed 1.1 psec at 8 GHz, which has superior FOM in comparison to 

other state-of-art DPLLs. This proposed DPLL consumes 26.2 mW at 16 GHz frequency. 

 In order to mitigate a SET strike effects on the control voltage, a RHBD PLL which 

utilizes a novel FBVCO has been discussed in Chapter 4. Whenever the SET pulse attacks the 

input control voltage of VCO, VCO gives rise to a frequency disturbance and PLL produces a 

huge jitter at the output clock. The proposed FBVCO consisted of an open loop VCO, an 

integrator and a switched-capacitor resistor. The input transfer function of the FBVCO had a 

low-pass characteristic so that the FBVCO can reduce any perturbation at the input control 

voltage. In addition, the proposed RHBD PLL was able to reduce the chip size by using one 

LF and CP compared to prior works. We simulated the proposed scheme in 130 nm low 

power CMOS technology at 1.5V supply. The output frequency variation of the proposed 

PLL from the SET strike was 75% smaller than that of previous PLL at 300 MHz. This 

RHBD PLL consumed 6.2 mW at 400 MHz output frequency. 

 In Chapter 5, we have explored a novel adaptive-bandwidth PLL using a closed loop 

VCO. The adaptive-bandwidth PLL used the gain of closed loop VCO to obtain a constant 

unity gain bandwidth over an operating frequency range. Furthermore, the CP current was 

proportional to the current of VCO so that the CP current was in proportion to the VCO 

frequency. Since the adaptive-bandwidth was optimized over the VCO frequency, an 

integrated RMS jitter could be reduced in comparison to a conventional fixed-bandwidth PLL. 

We have simulated the proposed PLL in 130 nm CMOS technology at 1.2 V power supply. 

The integrated RMS jitter of the proposed adaptive-bandwidth PLL was 2.35 psec which was 

70% smaller than the conventional PLL. This adaptive-bandwidth PLL consumed 2.6 mW at 

2.56 GHz output frequency. 
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 In Chapter 6, we have introduced a novel feedback DCO to enhance a high linearity 

in DPLL. Because of a negative feedback loop, the feedback DCO showed a linear 

relationship between an input digital control word and an output frequency. Moreover, the 

feedback DCO had a low-pass and high-pass filtering effect on the input digital control word 

and a DCO noise, respectively. Hence, we were able to change and optimize the bandwidth of 

the feedback DCO according to the each noise sources to implement a low jitter DPLL. We 

designed the feedback DCO scheme in 130 nm CMOS technology. The peak-to-peak gain of 

the proposed feedback DCO was 17 MHz/LSB which was 96% smaller than a conventional 

DCO. The feedback DCO consumed 1.7 mW at 2.2 GHz output frequency. 

 

7.2 Future work 

For the future work, we can think of the implementation of adaptive-bandwidth PLL 

on silicon because the simulation results are very promising, but the time was not enough and 

we cannot fine the opportunity for fabrication. A hardware implementation and the 

verification with the test results are necessary in order to have full control over this topic.  

Definitely, the most challenging block in DPLL is LC DCO from the point of view of 

the hardware implementation. A great deal of work and research are still necessary in order to 

optimize this block with respect to reduction of parasitic capacitances and power 

consumption. Especially, according to RF modeling, the analysis and calculation of minimum 

dimensions MOS varactors and coils is required to properly tune the target frequency of DCO. 

The resistor noise of FBVCO can be major drawback below in-band frequency since 

the sampling resistor has white noise and its transfer function to output phase is the low pass 
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characteristic. In order to mitigate the resistor noise, we may utilize the noise shaping 

technique of delta-sigma modulator and implement it to push the resister noise to the high 

frequency which should be greater than the bandwidth of FBVCO. This possible idea which 

overcomes the in-band resistor noise is needed to analyze in near future. 
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