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ABSTRACT  

This dissertation presents the investigation of biologically inspired direction 

finding (DF) and localization systems, 3D printing solution for RF components and 

systems, and fundamental aspects of antennas regarding bandwidth and power efficiency. 

Biologically inspired direction finding and localization systems are explored first. 

Inspired by the human binaural auditory system, an improved direction of arrival (DoA) 

estimation technique using two antennas with a lossy scatterer in between them to 

achieve additional magnitude cues is proposed. By exploiting the incident-angle-

dependent magnitude and phase differences between the two antennas with specially 

designed scatterer, the DoA of an incident signal from two-dimensional (2-D) / three-

dimensional (3-D) space can be estimated. Besides, compact DF systems with enhanced 

directional sensitivity using a scatterer of high permittivity in between adjacent closely 

spaced electrically-small antennas are examined. Inspired by the human monaural 

auditory system, a novel single-antenna DF technique is also proposed by exploiting the 

incident-angle-dependent spectra for a broadband RF signal only. In addition, a wideband 

superior DF system utilizing Luneburg lens and uniformly placed detectors on the 

equator of the lens is evaluated. The DoA is estimated using the amplitude distribution of 

the received signals at the detectors. Moreover, A portable inventory localization system 

utilizing hybrid RF (for direction, using previously introduced DF techniques) and 

ultrasound (for distance) signals is proposed and experimentally demonstrated. Next, a 

multilayer phased array system is designed and individual parts are printed to 

demonstrate the applicability of hybrid thermal wire-mesh embedding (for conductors) 

and thermoplastic extrusion (for dielectrics) techniques for additively manufacturing RF 
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integrated systems. Finally, fundamental aspects of antennas in terms of bandwidth limit 

for reactive matching and power efficiency for non-Foster matching are analyzed. 
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 Introduction 

In this dissertation, novel radio frequency (RF) direction finding and localization 

techniques inspired by the human auditory system with the goal of achieving high 

performance and portable direction finding (DF) systems are investigated first. Section 

1.1 in this chapter introduces the human auditory system and the analogy between it and 

the RF DF system. The principle of the proposed DF and localization techniques are also 

introduced. The applicability of hybrid conductor-dielectric 3D printing techniques in 

manufacturing RF integrated systems is demonstrated next in the dissertation. Section 1.2 

thus gives an introduction to the difficulties in printing electronics and the details about 

the employed printing process incorporating dielectrics and conductors, as well as active 

devices. At last, fundamental aspects of antennas in terms of bandwidth and power 

efficiency are analyzed. The motivations for the bandwidth limit study for the reactive-

matching case and the power efficiency study for the non-Foster-matching case are then 

discussed in Section 1.3 and 1.4 respectively. 

 

Direction of arrival (DoA) estimation of an electromagnetic signal is important 

for many commercial and military applications including electronic warfare [1] and 

mobile communications [2]. Most attention has been paid on arrays consisting of a large 

number of antennas and sophisticated algorithms to achieve a high degree of accuracy [1]. 

However, as the number of antenna elements increases, the power consumption, size and 

cost of the system increase as well, which would be impractical especially for portable 
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and commercial applications. Therefore, accurate DoA estimation technique with 

compact system size is highly desirable. 

The passive direction finding for microwave signals is very analogous to the 

direction finding of acoustic waves by human ears. Figure 1.1 illustrates the analogy 

between a microwave direction finding system and the human auditory system. The 

microwave antennas are similar to the pinnae, which are natural directional antennas for 

acoustic waves; the band-pass filters, amplifiers, mixers and detectors provide similar 

functions as the guiding and detecting parts of the human auditory system; and the signal 

processing component can be thought as the brain.  

 

Fig. 1.1 Comparison of a passive microwave direction finding system (a) and 

the human auditory system (b) [10]. 

For most of the audible frequency range (20 Hz – 20 KHz), human ears have the 

amazing ability of estimating arrival angle with accuracy up to 1° without ambiguity 

under binaural (utilizing two ears) conditions. The remarkable localization (mainly in the 

azimuth plane) capabilities of human ears for both continuous waves (CW) and transient 

signals have long been recognized and studied quite extensively [3-8]. Many intriguing 

facts and phenomena were experimentally observed and underlying mechanisms were 
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proposed and proved. As early as 1936, Stevens and Newman reported free space 

experimental data on localization of sound sources by human ears which revealed the two 

main mechanisms of binaural sound localization, one operating best at high frequency 

and the other at low frequency [6]. Later on, more studies in anechoic chambers 

confirmed the earlier results [7, 8].  

For low-frequency sound (f <1.5 – 3.0 KHz), the phase difference between the 

acoustic signals received by the two ears (referred to as the binaural case) serves as the 

most important cue. The distance between two human ears is 18 cm, which is comparable 

to the wavelength of the sound at 3 KHz (about 11 cm). The front-back ambiguity is 

eliminated by the directivity of human ears (analogous to an antenna radiation pattern) 

[3]. For higher frequency sound (f > 3.0 KHz), the head can be thought as a low-pass 

filter. For most incident angles, one ear receives without the influence of the head while 

the other receives after the incident signal goes through (or around) the low-pass filter - 

human head, whose response function is incident-angle dependent and can have an 

attenuation as much as 20 dB [5]. This effect is often referred to as the head-related-

transfer function (HRTF) as shown in Fig. 1.2, which leads to both a phase and a 

magnitude difference between the received signals at two ears. The combination of the 

phase (or time for transient signals) and amplitude information enables the human 

auditory system to have great localization capabilities for both low and high-frequency 

ranges.   
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Fig. 1.2. Human binaural auditory system: channel response difference to the 

two ears is incident angle dependent [10]. 

Both of the binaural mechanisms mentioned above have analogies or may be 

directly applied to microwave systems. The low-frequency phase difference method is 

widely used in microwave direction finding [1]. To avoid the phase ambiguity of 

multiples of 2π, the antenna elements should be spaced less than half a wavelength, /2. 

The high-frequency scheme utilizing an effective low-pass filter (the shadowing effect of 

the human head) for azimuth-plane direction finding has been reported in [9, 10]. By 

introducing a designed scatterer in between two adjacent antennas, accurate direction 

finding without phase ambiguity for high-frequency signals may be achieved covering 

the entire 360˚ azimuth range [9, 10]. Furthermore, because the spacing between the 

adjacent antenna elements can now be larger than /2, the mutual coupling issue that is 

common to array antenna systems can be reduced. Similar to the 2-D direction finding 

system of 2 antennas with a lossy scatterer in between, if the scatterer is optimized such 

that the receiving phase and amplitude difference at the two antennas are incident angle 

dependent for all directions including azimuth and elevation, this technique may be 

extended to achieve three-dimensional direction finding (DF).  
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Electrically small antenna (ESA) array with small spacing between any two 

adjacent antennas is attractive because the size of the whole system can be reduced 

largely. With the incident angle dependent phase difference information of the received 

signal at the antennas, DoA can be estimated accordingly. However, the phase difference 

can be very small due to the space limitation. Inspired by the human binaural localization 

system, a high-permittivity scatterer can be inserted in between adjacent electrically small 

antennas so that the directional sensitivity can be enhanced since the phase difference is 

proportional to the square root of the media permittivity, to the first order. For this 

technique, matching networks should be added so that both good directional sensitivity 

and received signal to noise ratio can be achieved at the same time for practical 

applications. 

Another amazing capability of the human auditory system is the monaural 

direction finding. Although not as accurate as the binaural (utilizing both ears) case, 

monaural direction finding is possible without head movement. This first seems to be 

intuitively unthinkable for a single stationary antenna. However, the monaural 

localization only works for broadband signals and the main mechanism has been 

identified to be the spectral alteration by the pinnae and head that provides the cue for 

directions (similar to an incident angle sensitive “comb-line filter”) [11,12]. For example, 

as a simplified illustration shown in Fig. 1.3, the received broadband signal by a single 

ear may have a notch response that is incident angle dependent. Therefore, monaural 

direction finding works only for broadband signals. Experimentally measured frequency-

dependent single ear head-related transfer functions for both azimuth and elevation 

planes can be found in [13]. By designing the frequency dependences of the antenna 
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pattern and guiding structure, this unique feature of human ear may be utilized for 

microwave applications such as direction finding for a broadband signal using a single 

antenna [14 - 16].  

 

Fig. 1.3 Simplified illustration of monaural direction finding of human 

auditory system: the received amplitude spectrum of an incoming broadband signal 

depends on the incident angle of the signal. 

The direction finding system using two monopoles with a lossy scatterer in 

between requires phase synchronization and is relatively narrow-banded while the single-

antenna direction finding system can only detect broadband signals. Luneburg lens [17] 

based direction finding system is a good candidate to achieve a superior broadband 

direction finding system. A Luneburg lens has the characteristic that every point on the 

surface of the lens is the focal point of a plane wave incident on the opposite side as 

shown in Fig. 1.4. With a number of detectors mounted on the surface of a Luneburg lens, 

the DoA can be estimated by considering the received power distribution on all the 

detectors. This DF system can be wideband as long as the receiving elements are 

wideband. The high gain property of the Luneburg lens leads to high accuracy for the 

DoA estimation, which is due to a small correlation between amplitude distributions for 

any two different incident angles. In addition, the emerging of 3D printing technology 

has made the manufacturing of Luneburg lens simple and at potentially lower cost [18, 
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19]. This Luneburg lens based direction finding system [20] is advantageous in that it has 

the property of wideband, high accuracy, capability of multiple-signals DF, and no limit 

on the field of view in both azimuth and elevation. 

 

Fig. 1.4 Optical path of plane waves incident on a Luneburg lens [21]. 

  

In practice, localization in addition to direction finding is often needed. For 

example, inventory localization of items such as a book, a laptop, a package, or even a 

sheep is highly desirable. Global Positioning Systems (GPS) are widely used in outdoor 

real-time localization scenario [22]. However, the accuracy of a GPS may not be 

sufficient for inventory localization applications. In addition, GPS is not suitable for 

indoor applications as the received GPS signal strength is weak after being attenuated and 

scattered by walls, roofs, trees, and other objects. A novel positioning technique 

incorporating RF and ultrasound signals is proposed with the advantages of low 

complexity and compact size. A tag is attached to an interested object, and the tag can 

communicate using both ultrasound and RF signals. From the time of arrival (ToA) of the 

ultrasound, range information can be acquired at the interrogator. From the previously 

introduced RF DF techniques, the direction of the tag respect to the interrogator can be 

estimated. Therefore, the tagged inventory can be localized with real-time range and 

direction information.  
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Additive manufacturing (AM), or often-called 3D printing, enables 3-D objects of 

arbitrary shape to be printed automatically layer by layer from bottom to top. As it offers 

huge potentials to revolutionize both manufacturing procedures and the design such as a 

compact design that fully utilize 3-D space, a complicated geometry design, and material-

property distributed design, it has been argued to be the future of manufacturing. Three-D 

printing technology offers several advantages compared to the conventional 

manufacturing that builds a product by subtracting parts from a larger piece of material. It 

enables the realization of complicated geometry such as 3-D conformal shapes [23-29], 

gradient index structures [30, 31], and more flexible design [32, 33]. In addition, directly 

3D printed components and systems may eliminate conventional packaging and 

assembling processes so that cost is reduced. Three-D printing technology is thus a 

potentially promising technique to manufacture RF components and systems that have 

reduced manufacturing complexity and cost but still possesses good electromagnetic 

performance. 

Both dielectrics and conductors, as well as active devices, need to be incorporated 

into the printing process so that an RF integrated system can be realized using additive 

manufacturing. There are several 3D printing techniques available in the market, 

including selective sintering and melting, powder binder bonding, polymerization, 

extrusion and layer laminate manufacturing. [34]. However, either they cannot print 

metal, or their metal printing is not compatible with the dielectric printing due to the 

high-temperature process. The conductive part printing that is compatible with the 

dielectric printing technique is one of the major challenges for 3D printed electronics. 
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Conductive ink/paste is commonly utilized for printing metal together with 

dielectrics [35-38]. However, to achieve a conductivity comparable to regular metal, the 

3D printed components requires high-temperature metal sintering process [36], which 

may induce deformation or damage of the dielectric substrate and prevent potential 

integration of active semiconductor devices. Without high-temperature sintering process, 

the conductivity of the ink is much lower (at least 2 to 3 orders of magnitude) than 

regular conductors [35, 37, 38], thus increasing loss and decreasing system efficiency. A 

3D printing technique in fabricating functional RF components at room temperature but 

still maintaining good electromagnetic performance is proposed [39-41]. The dielectric 

substrate part is printed using thermoplastic material extrusion method [42]. The 

conductive part is printed using an ultrasonically/thermally embedded wire / wire-mesh 

structure, which avoids the commonly required annealing process at high temperature but 

still works as good as the regular metal at microwave frequency [39, 41].  

Thermoplastic extrusion technique is an additive manufacturing process that 

prints an object by extruding thermoplastics through a heated nozzle. This technique has 

relatively simpler processing (i.e., no post processing needed) and lower printer cost 

compared to other printing techniques, but lower resolution (0.1 - 0.4 mm). The 

schematic of an extrusion printer is as shown in Fig. 1.5. The printer includes a feeding 

roll, a heated extrusion head, and a building platform. A number of build materials are 

available for the technique, including polycarbonate (PC), acrylonitrile butadiene styrene 

(ABS), polyphenylsulfone (PPSF), etc. In the process, the build material - thin 

thermoplastic filament is guided into the extrusion head by the feeding roll. Then the 

heated extrusion head melts down the filament and extrudes it through the nozzle at 
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designated locations on the building platform. The extruded thermoplastic cools down 

and hardens on the building platform. Next, the platform lowers down by one-layer 

thickness after completing one layer and is ready for printing of the next layer. The wire-

mesh embedding procedure is to heat a wire mesh of a desired pattern using ultrasonic 

vibrations or a resistance heater and at the same time press it into the thermoplastic. An 

image of the ultrasonic wire / wire-mesh embedding method is shown in Fig. 1.6. This 

wire-mesh embedding technique is compatible with the extrusion process and enables 

embedding semiconductor devices that are sensitive to temperature. Seamless integration 

of these two techniques allows robust and flexible RF components and potential RF 

systems to be built automatically.  

 

Fig. 1.5 Schematic of an thermoplastic material extrusion printer [43]. 
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Fig. 1.6 Image of ultrasonic wire / wire-mesh embedding technique [44].  

In this dissertation, a 3D printable multilayer phased array system is proposed to 

demonstrate the applicability of the hybrid printing techniques combining dielectrics and 

conductors for RF integrated system. In addition, all critical parts of the multilayer 

phased array are additively manufactured, experimentally tested and compared with 

design simulations. The RF structure to be printed is first designed in SolidWorks® CAD 

software and converted to a standard tessellation language (STL) file for printing. The 

thermoplastic base is then printed in an extrusion 3D printer using common 

thermoplastics (ABS, PC, etc.). To create the final structure, the design incorporates 

various pauses in the build sequence which allows for component placement, such as the 

embedding of wire mesh and electronic parts, directly into the build sequence. After the 

necessary process during the pause, the incomplete piece is then re-registered on the 3D 

printer build plate and the build is resumed to print the next substrate layer. This 

integrated printing system can enable novel, high performance, volume-efficient RF and 

microwave applications.  
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Compact antenna designs are important for many applications including mobile 

communication such as MIMO and cognitive radio, internet of things, unmanned aerial 

vehicles (UAVs), etc. Besides designing the antenna, lumped element matching network 

is usually implemented to achieve satisfactory performance antenna over desired 

frequency bands. However, before any matching circuit optimization, a theoretical bound 

is important in that it describes the maximum achievable performance of a matched 

antenna. According to Bode-Fano’s theory [45, 46], there is a fundamental bandwidth 

limit on how well an arbitrary complex load can be matched to a pure resistance using a 

lossless reactive matching network. This bandwidth limit is very useful to determine the 

feasibility of an antenna design since a targeted bandwidth greater than the theoretical 

limit will not be achievable using this antenna. In addition, by comparing bandwidth 

bounds of two unmatched antenna design candidates, one can tell which antenna may be 

better regarding impedance matching in ideal circumstances.  

The matching theory introduced by Bode and Fano calculates the tradeoff 

between bandwidth and the in-band reflection coefficient of an antenna matched by a 

lossless reactive matching network. To apply Bode-Fano’s theory, the simulated 

reflection coefficient of a designed antenna itself is obtained first. The frequency 

dependent reflection coefficient is then fitted using an equivalent circuit model or a 

rational function of complex frequency. Next, several types of Fano’s integrals are 

calculated, corresponding with transmission zero types derived from the zeros and poles 

of the output reflection coefficient. Finally, based on Fano’s integrals, the tradeoff 
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between the bandwidth and the reflection coefficient in the band is calculated. As an 

example, the achievable bandwidth of a multiband electrically small antenna is calculated.  

 

As discussed in the previous section, electrically small antennas have attracted 

much attention because of their potential applications in wireless systems such as MIMO 

and cognitive radio, Internet of things, Unmanned Aerial Vehicles, etc. However, their 

small size (ka < 1, k – wavelength number, a – radius of the smallest sphere that can 

surround the antenna) creates a large reactance and small radiation resistance, leading to 

poor matching and working bandwidth. Thus, a matching network is needed before 

practical applications. However, according to Bode-Fano’s matching theory, there is a 

gain-bandwidth limit for an electrically small antenna with a lossless passive matching 

network [45, 46]. A non-Foster matching network employs active components such as 

negative capacitors and inductors and provides a negative slope of the reactance-versus-

frequency curve. It, therefore, can cancel the corresponding positive slope of the 

antenna’s reactance. Thus, adding active circuits made of non-Foster elements can bypass 

the gain-bandwidth limit and provide substantially larger bandwidth.  

Many researchers have been investigating the bandwidth enhancement and the 

elimination of the stability issue of the non-Foster matching circuit. However, not much 

work has been done on investigating the fundamental power efficiency of an antenna 

system involving DC power dissipation, which is important in transmission applications 

[47-49]. As part of this dissertation, the power efficiency of a matched electrically small 

antenna using a non-Foster circuit with loss compensation is theoretically evaluated and 
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compared with a passive lossless matching circuit. The power efficiency is calculated as 

the radiated power over the RF input power and DC power consumption.  

 

The original contributions of this dissertation are listed as follows: 

 The DoA estimation technique for incident signals from azimuth using only two 

antennas and a lossy scatterer in between without ambiguity is developed. This 

technique is experimentally verified. The applicability of the technique for 3-D DF is 

demonstrated. 

 The directional-sensitivity enhancement technique by adding a high-permittivity 

scatterer in between electrically small antennas is proposed and experimentally 

verified.  

 The 2-D direction finding technique using incident-angle-dependent spectra of a 

single wideband antenna is developed and experimentally verified. This technique has 

the advantage of requiring only one antenna. 

 The DoA estimation performance of a Luneburg lens based broadband direction 

finding system is evaluated. The performance evaluation involving parameters 

including the lens aperture size, the number of detectors, and the signal to noise ratio 

(SNA) can be used to guide the lens based DF system design. 

 A portable inventory localization system incorporating ultrasound range detection and 

RF direction finding technique is proposed and a proof-of-concept demonstration is 

completed. 
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 A 3-D printable multilayer phased array is designed and functional layers are built by 

using hybrid metal-dielectric 3D printing technique – ultrasonic / thermal embedding 

for copper wires / meshes / foils and thermoplastic extrusion for substrate. The 

applicability of the hybrid 3D printing technique for building integrated RF systems is 

demonstrated. 

 The multi-band antenna matching bandwidth limit based on Bode-Fano’s matching 

theory is analyzed. This fundamental bandwidth limit can help determine whether or 

not an antenna together with a lossless passive matching network can achieve a target 

bandwidth. The bandwidth limit is also useful for evaluating the figure of merit in 

antenna optimization. 

 Fundamental power consumption study of electrically small antennas matched by 

loss-compensated active non-foster structures / circuits is performed. This study 

focuses on answering the question that whether active matching is superior to passive 

matching in terms of power efficiency in addition to bandwidth. 

 

The remaining part of the dissertation is organized as follows.  

In Chapter 2, a system consists of two monopoles and a head-like lossy scatterer 

in between is investigated to achieve a 360 °  azimuthal angle of arrival estimation 

capability without ambiguity. Both magnitude and phase cues are used to detect the angle 

of incidence. To be more practical, a two Planar Inverted-F Antenna (PIFA) system 

operating at 2.4 GHz with a commercially available lossy scatterer has been designed, 

fabricated and tested. In addition, the 3-D (azimuth and elevation) direction finding 
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capability of the two-monopole / scatterer system with optimized scatterer geometry and 

material properties is studied.  

In Chapter 3, a technique with the advantage of compact size utilizing a high-

permittivity scatterer in between two electrically small antennas is demonstrated. The 

high-permittivity scatterer is added to provide enhanced directional sensitivity. The 

received power and directional sensitivity relationship is examined. Various commonly 

used matching networks such as self-conjugate matching (SCM), Eigen-mode decoupling 

matching (EDM) and multiport conjugate matching (MCM) are investigated. 

Experimental verification of the compact DF system is presented.  

In Chapter 4, a linear-polarized elliptical UWB (3.1 to 10.6 GHz) antenna [50] is 

used to investigate the single-antenna direction finding technique, enabling DoA 

estimation using incident angle dependent received spectrum of a broadband signal. An 

improved UWB antenna with asymmetrical shape (D shape) is also designed and studied, 

demonstrating improved estimation accuracy due to the break of symmetry. Both UWB 

antennas are fabricated, and their DoA performance is tested as the experimental 

verification of this single-antenna DoA estimation method. A microstrip leaky wave 

antenna (LWA) [51] is also studied and tested for its main-beam-steering ability over the 

working frequency range, analogous to the incident-angle-dependent notch frequency 

response of human ears.  

In Chapter 5, the DoA-estimation performance of a Luneburg lens DF system is 

quantitatively evaluated. A number of detectors are mounted on the surface of the 

Luneburg lens and the incident-angle-dependent amplitude distribution is used as the cue 

for directions. The lens size and the number of detectors needed to satisfy the DoA 
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estimation accuracy requirement at certain signal to noise ratio (SNR) level and 

frequency band are studied. In addition, to investigate the capability of the system, the 

Cramér–Rao bound (CRB) [52, 53] on the root mean square errors (RMSEs) of the DoA 

estimation is derived and compared with the correlation method.  

In Chapter 6, a portable localization system utilizing radio-frequency (RF) signal 

for the angle of arrival estimation and ultrasound for range detection is studied. As a 

proof of concept, the two-PFIA DoA estimation system introduced in chapter 2 and 

commercially available RF and ultrasonic modules and a microcontroller unit have been 

combined to demonstrate our prototyping technology. The 2-D position finding 

performance for tagged inventory has been demonstrated through measurement. 

In Chapter 7, a 3D printable multilayer phased array design and simulation results 

are presented. The experimental verification of the 3D printing method for the multilayer 

RF integrated system is presented. Individual parts of the multilayer phased array, 

including a 1-to-4 Wilkinson power divider, a grounded coplanar waveguide (GCPW) 

with embedded phase shifter and a probe-fed patch antenna, are printed to verify the 

proposed concept. The measurement results are compared with simulation predictions. 

In Chapter 8, the gain bandwidth limit for an arbitrary antenna is derived based on 

the matching theory introduced by Bode and Fano. As an example, the achievable 

bandwidth of a multiband antenna is calculated to check the feasibility of covering LTE 

bands from 698 MHz to 787 MHz, and from 1710 MHz to 2155 MHz. The antenna 

bandwidth limit is calculated from the equivalent circuit of the antenna using Bode-

Fano’s matching theory. The bandwidth limit is verified with a matching network 

consisting of ideal lumped elements. 
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In Chapter 9, the power efficiency of a non-Foster matching circuit with 100% 

loss compensation for electrically small antennas is studied. The power efficiency is 

demonstrated with comparisons among cases of without matching, with lossless passive 

matching, and with loss-compensated non-Foster matching for both a simple constant 

load of a small resistor in series with a capacitor and an electrically-small-antenna load. 

In Chapter 10, a summary of the major achievements and contributions of this 

dissertation is presented. Future works are also discussed. 
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 Biologically Inspired Two-Antenna Direction Finding 

Inspired by human auditory system, an improved direction of arrival (DoA) 

technique using only two antennas with a scatterer in between them to achieve additional 

magnitude cues is proposed. By exploiting the incident-angle-dependent magnitude and 

phase differences between the two antennas and applying multiple signal classification 

algorithms (MUSIC) [54], the DoA of an incident microwave signal from two-

dimensional (2-D) / three-dimensional (3-D) space can be estimated. The results of both 

the azimuth and three-dimensional DoA estimation have shown an encouraging accuracy 

and sensitivity by incorporating a lossy scatterer. 

 

In recent years, there has been increasing interest in microwave direction finding 

(DF) systems due to their wide applications in military and commercial areas, such as 

electronic warfare [1], wireless communications [2], wireless localization, etc. A wide 

variety of techniques have been developed to estimate the DoA of incoming signals. The 

existing DoA-estimation techniques require a large number of antenna elements to 

achieve a high degree of accuracy. However, as the number of antenna elements 

increases, the power consumption, size, and cost of the system increase as well. 

Therefore, accurate DoA estimation technique with reduced number of antenna elements 

is highly desirable. 
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Fig. 2.1 The schematic of head-related-transfer function of the human head in 

binaural localization. 

A very interesting biological system that is capable of direction finding for 

acoustic waves is the human auditory system [3-8]. Human ears have the amazing and 

intriguing ability of estimating arrival sound angle in the azimuth plane with accuracy up 

to 1º under binaural (utilizing two ears) condition. The capability is mainly because the 

head response function has an incident angle dependent attenuation. As shown in Fig. 2.1, 

for most incident angles, one ear receives without the influence of the head while the 

other receives after the incident signal goes through or around the human head, resulting 

in incident-angle-dependent phase and amplitude difference between the received signals 

at two ears. The combination of the phase (or time for transient signals) and amplitude 

information enables the human auditory system to have great localization capabilities 

including high accuracy and elimination of ambiguity. The mechanism may be directly 

applied to microwave systems so that unambiguous RF direction finding covering 360º in 

the azimuth plane can be achieved utilizing only two antennas. 
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By introducing a head-like lossy scatterer in between two adjacent antennas, 

accurate direction finding for high frequency signals is achieved [9, 10]. Furthermore, 

because of the spacing between the adjacent antenna elements can now be larger than half 

the wavelength, the mutual coupling issue that is common to antenna array systems can 

be reduced. In this chapter, an improved design for 2-D direction finding without phase 

ambiguity is proposed, comprehensively analyzed, and tested. In addition, 3-D (azimuth 

and elevation) direction finding technique is proposed by optimizing the scatter geometry 

and material parameters in between antennas.  

 

To evaluate the feasibility of applying some of the human sound localization 

mechanisms in microwave direction finding, a simple two-monopole configuration is 

considered. As shown in Fig. 2.2, assuming an electromagnetic (EM) signal coming from 

an azimuth angle 𝜙𝑖 , the phase difference between the received signals at these two 

antennas (separated by 𝑑) is 
2πdsinϕ𝑖

λ
, where 𝜆 is the wavelength of the signal. If 𝑑  is 

greater than half wavelength, there may be ambiguities in the estimated DoA due to 

phase wrapping. To avoid this kind of ambiguity at higher frequency, a lossy scatterer 

placed between the two antennas is proposed, providing the similar low-pass filtering 

function as the human head between two ears [9, 10]. With the scatterer, an additional 

magnitude difference cue is provided in the DoA estimation, possibly eliminating the 

phase ambiguity issue. 
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Fig. 2.2 An HFSS model illustrating the geometry of the two-monopole / 

scatterer configuration with an incoming signal from an azimuth angle. 

The simple configuration in Fig. 2.2 (with / out a lossy scatterer) works at X-band 

(8 – 12 GHz) with monopole length of 7 mm and monopoles spacing d of 15 mm (𝜆/2 at 

center frequency of 10 GHz). The process of choosing the lossy dielectric block  is as 

follows. In general, the larger the scatterer size is in between the antennas, the higher the 

magnitude-cue sensivity is. The magnitude-cue sensitivity also increases with the 

scatterer loss tangent. However, the loss sould not be too large such that the SNR is too 

low. In other words, the magnitude difference range should be limited. Here the range is 

chosen to be around 20 dB. The loss tangent is thus chosen as around 1 and the 

commercally available lossy scatterer ARC-LS-10211 from ARC Technologies Inc. is 

used with the characteristic of 휀𝑟= 2.05, 𝜇𝑟 = 1.19, 𝑡𝑎𝑛𝛿 = 1.15, and dimensions of 15 × 

12.8 × 10 mm3.  

To evaluate the DoA performance of the two-monopole / scatter system, phase 

differences (PD) and magnitude differences (MD) between the two monopoles as a 

function of angle 𝜙 from 0° to 360° are saved as the calibration steering vectors �⃑�(𝜙) =

d 
Ant#1 

Ant#2 

ϕ 
Plane wave 
incident from ϕi 

Lossy scatterer 
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[1 𝑀𝐷(𝜙)𝑒𝑗𝑃𝐷(𝜙)]𝑇 , where [.]T denotes transpose. They are simulated in ANSYSTM 

High-Frequency-Structure-Simulator (HFSS) using an incident-plane-wave excitation 

with E field of 1 V/m. Then, for an RF signal with arbitrary incident angle ϕi in the 

azimuth, assuming a phase error of 2˚ and a magnitude error of 0.25dB (to account for 

uncertainties in practical receivers such as that of a VNA), the data vector �⃑� of the signals 

received at the two antennas assuming a zero-mean Gaussian White noise is modeled as:  

 [
𝑦1
𝑦2
] = �⃑�(𝜙𝑖)𝑥 + [

𝑤1
𝑤2
] (2.1) 

or 

 �⃑� = �⃑�(𝜙𝑖)𝑥 + �⃑⃑⃑� (2.2) 

where �⃑�(𝜙𝑖) is the steering vector for incident angle of 𝜙𝑖 , 𝑥 is the complex arriving 

signals, and �⃑⃑⃑� is the white noise vector. 

The MUSIC algorithm [54] is used to estimate the DoA. First, the covariance 

matrix of the vector �⃑� is calculated by 

 𝑅𝑦 = 𝐸[�⃑��⃑�
𝐻] (2.3) 

where E[.] and H are the expectation and conjugate transpose operators, respectively, and 

the expectation is the average of several snapshots or samples (in this work, one sample is 

used). From the Eigen decomposition of 𝑅𝑦 , the eigenvector corresponding with the 

maximum eigenvalue form the signal subspace, and the other eigenvectors define the 

noise subspace G. The MUSIC angular spectrum at all possible angles 𝜙 is then defined 

as: 

 𝑃𝑀𝑈(𝜙) =
1

�⃑�𝐻(𝜙)𝐺𝐺𝐻�⃑�(𝜙)
 (2.4) 



 

 

42 

The estimated angle of arrival is obtained as the peaks of the angular spectrum and is 

expressed as: 

 �̂�𝑖 = argmax
𝜙

𝑃𝑀𝑈(𝜙) (2.5) 

 

Fig. 2.3 simulated phase (a) and magnitude (b) differences at 12 GHz for the 

three cases: without scatterer (dash); symmetric scatterer (dash dot); asymmetric 

scatterer (solid). 

Figures 2.3 plots the simulated phase and magnitude differences at 12 GHz, 

without the lossy scatterer, with symmetric (respect to y axis) and asymmetric scatterer 

(Fig. 2.2).  It can be pointed out that with the lossy scatterer, the magnitude difference is 

much larger as expected.  In addition, the phase difference versus incident angle curve 

with the scatterer is steeper than that without the scatterer, which indicates increased 

sensitivity in the DoA estimation. Although the phase ambiguity issue seems to be more 

severe for the case with the scatterer, the large magnitude differences can be used to 

overcome the ambiguities. However, both the phase and magnitude differences without 

the scatterer and with symmetric scatterer are the same for supplementary incident angles 

(e.g., front / back ambiguity), which is due to the symmetry respect to the y-axis (refer to 

Fig. 2.2). This can be solved by either using directional antennas just as the human ears 

(a) (b) 
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or breaking the symmetry of the scatterer. The results with asymmetric scatterer show a 

promising improvement against the front-back ambiguity. 

 

Fig. 2.4 Simulated MUSIC angular spectra of the three scenarios with a 

12GHz signal incident from the 80° direction (a) and the 0° direction (b): without a 

scatterer (dash), with a symmetrically positioned rectangular scatterer (dash dot) 

and with an asymmetrically positioned rectangular scatterer (solid). 

In Fig. 2.4, the MUSIC output for the simulated case with a 12-GHz signal 

coming from the 80° and 0° direction is plotted for the three scenarios mentioned above 

(without scatterer, symmetric scatterer and asymmetric scatterer). The MUSIC algorithm 

is: It is clear that the addition of the attenuating scatterer in between the two antennas 

eliminates the ambiguity caused by the 2𝜋 phase wrapping. Moreover, it can be observed 

from Fig. 2.4(a) that the asymmetrically placed scatterer breaks the front / back symmetry 

and eliminates the corresponding ambiguity. For the without scatterer case at incident 

angle of 80°, there are four peaks near 80° (100°) and 222° (319°) that can be observed, 

for which the 80° and 222° ambiguity is due to the greater than 𝜆/2 spacing of the 

monopoles. With the scatterer, this ambiguity is clearly eliminated by the added 

magnitude information, which can be seen from both the symmetric and asymmetric 

cases in Fig. 2.4(a). The 80° and 100° ambiguity manifested in the without scatterer and 

with symmetric scatterer cases is due to the front / back symmetry of the two-antenna 

(a) 
(b) 
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system, which is absent in the asymmetric configuration. However, the front / back 

ambiguity is not completely eliminated by adding the asymmetric scatterer. When the 

incident angle is 0° (Fig. 2.4(b)), there are two peaks near 0° and 180° for all without and 

with scatterer cases, which is due to the symmetry respect to the x axis. As shown in Fig. 

2.3, both the magnitude difference and phase difference are zero at 0° and 180° for 

without / with scatterer. In order to eliminate this ambiguity, the symmetry respect to the 

x axis should also be broken down. Thus a new configuration with two scatterers in 

between the monopoles is offered in Fig. 2.5 with block#1 of εr = 2.05, μr = 1.19, tanδ = 

1.15 and dimensions of 15 × 10 × 10 mm3, and block#2 of εr = 2.05, μr = 1.19, tanδ = 20 

and dimensions of 15 × 2.8 × 10 mm3. In principle, the symmetry is broken as long as 

block#2 is different from block#1. And the loss tangent value of block#2 is tuned to have 

good directional sensitivity. 

 

Fig. 2.5 Schematic of monopoles with two scatterers. 
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Fig. 2.6 Simulated DoA estimation errors of the incident signals at 8 GHz (a), 

10 GHz (b) and 12 GHz (c) for asymmetric-scatterer case (dash) and two-scatterers 

case (solid). A magnitude difference error of 0.25 dB and a phase difference error of 

2˚ is assumed. 

Figure 2.6 shows the DoA estimation errors assuming a phase difference error of 

2˚ and a magnitude difference error of 0.25 dB of the incident signals at 8 GHz, 10 GHz 

and 12 GHz for the two-monopole systems with an asymmetric scatterer (Fig. 2.2) and 

with two scatterers (Fig. 2.5). The angle where the maximum output of MUSIC algorithm 

occurs is estimated to be the incident angle. With asymmetric scatterer, the DoA 

estimation error is small for most incident angles, ≤ 2˚, but still high at 0˚ and 180˚ due to 

the ambiguity issue between 0˚ and 180˚. For the two-scatterer case, the 0˚ and 180˚ 

ambiguity is eliminated and the estimation error is low, ≤ 2˚, at angles within -40˚ ~ 270˚. 

The maximum error is about 50˚, which is due to the lower sensitivity for incident angles 

around 320˚. Thus the two-monopoles / scatterer configuration with improved DoA 

estimation accuracy is achieved. Further tuning of the scatterer geometry and material 

property should be able to fully remove the ambiguity and enhance the DoA estimation 

performance. 

(a) (b) (c) 
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For the two-antenna with a lossy scatterer technique, a more widely used low 

profile antenna - Planar Inverted-F Antenna (PIFA) at 2.4 GHz is also designed, 

fabricated and tested. With the phase and magnitude difference information between the 

received signals at the two PIFAs, the multiple signal classification (MUSIC) algorithm 

is applied to calculate the DoA. In order to achieve high DoA estimation accuracy, the 

scatterer has to be tuned so that the ambiguity is fully eliminated for all the azimuth 

angles. The designed PIFA/scatterer system is then tested experimentally. Good DoA 

performance covering the entire 360˚ azimuth range is demonstrated in both simulation 

and experiment. 

The design of the PIFA antenna working at 2.4 GHz is as shown in Fig. 2.7. The 

length of the top plate plus the shorting strip is about quarter wavelength at 2.4 GHz. The 

height of the PIFA antenna (shorting strip length) determines the antenna impedance 

bandwidth [55]. The reflection coefficient of the designed PIFA antenna with 

dimensional details in Fig. 2.7 is plotted in Fig. 2.8. The 10-dB bandwidth is 10%. The 

directivity patterns of the antenna in the x-y plane, x-z plane, and y-z plane are plotted in 

Fig. 2.9. The main contribution of the radiation is from the top plate and the shorting strip. 

Thus, in the far-field pattern, the E-field components mainly lie in the y and z directions 

but not the x direction.  
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Fig. 2.7 Geometry configuration of the designed PIFA antenna working at 2.4 

GHz. 

 

Fig. 2.8 Simulated reflection coefficient of the PIFA antenna in Fig. 2.7. 

 

Fig. 2.9 Simulated directivity pattern (in dB) of the designed PIFA at 2.4 GHz 

for 𝑬𝜽 (solid) and 𝑬𝝓  (dash) in the x-y plane (a), the x-z plane (b), and the y-z plane 

(c). 
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In order to do the DoA estimation, two PIFA antennas shown in Fig. 2.7 are 

placed together with 45-mm spacing (about 0.4 wavelength at 2.4 GHz). Similar to the 

lossy scatterer design in monopole case, two scatterer blocks are added in between the 

two PIFA antennas with block#1 of εr = 2.05, μr = 1.19, tanδ = 1.15 (ARC-LS-10211) 

and dimensions of 30.169 × 35.056 × 20 mm3 and block#2 of εr = 2.05, μr = 1.19, tanδ = 

20 (ARC-LS-10211-25) and dimensions of 4 × 35.056 × 20 mm3. The proportion of the 

space occupied for the two scatterers are tuned results so that ambiguity is removed. The 

configuration of the system is illustrated in Fig. 2.10. 

 

Fig. 2.10 Two PIFA / scatterer passive microwave direction finding 

configuration with incident signal from an azimuth angle. 

The corresponding simulated phase and magnitude differences for both without 

and with scatterer cases are plotted in Fig. 2.11. Similar with two-monopole design, 

without a scatterer, there exists phase ambiguity and there is almost no magnitude-

difference cue. After adding scatterers in between the two PIFAs, the phase-difference 

symmetry is broken and additional magnitude-difference cue is obtained. However, after 

adding the lossy scatterers, the received power is lowered, as indicated from Fig. 2.12, 
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which may be a potential issue for applications in low signal-to-noise ratio (SNR) 

environment. 

 

Fig. 2.11 Simulated phase difference (a) and magnitude difference (b) of the 

PIFA DoA system with and without scatterer. 

 

Fig. 2.12 Simulated received power pattern for the PIFAs system without 

scatterer (a) and with scatterer (b). 

As a clearer proof of the azimuth angle DoA detection capability, the magnitude 

and phase cue for with-scatterer case are combined as a complex plot in Fig. 2.13 with 

real and imaginary parts. The incident angle starts from 0˚, and increases clockwise up to 

360˚ with 2˚ step. The 2-D curve does not have any intersection point, demonstrating that 

there are no ambiguities. The sparser the points are, the higher the directional sensitivity 

is. The sensitivity is the highest at incident angles around 180˚ but relatively low around 

0˚. 

(a) (b
) 

(a) (b) 
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Fig. 2.13 Complex signal difference between the two PIFAs with scatterers, θ is 

the incident angle from 0˚ to 360˚ with 2˚ step. 

With the phase and magnitude difference information between the received 

signals at the two PIFAs, MUSIC algorithm is applied to calculate the DoA. The angle 

with peak spectral output of the MUSIC algorithm is the estimated incident angle. Figure 

2.14 shows the DoA estimation error for the two-PIFA system with scatterers assuming a 

phase difference error of 2º and a magnitude difference error of 0.25 dB. The estimation 

errors for all incident angles are smaller than 4˚, which demonstrates the elimination of 

ambiguity. Compared to monopoles cases, the PIFAs have stronger directional phase and 

magnitude difference cues and thus can achieve complete ambiguity elimination. The 

root mean square (RMS) errors of the DoA estimation for the two-PIFA / scatterers 

system assuming a complex white Gaussian noise (CWGN) with a reference SNR of 25 

dB are also calculated and plotted in Fig. 2.15. The reference SNR is the maximal SNR 

among all incident angles assuming a constant noise level. The RMS errors are higher for 

incident angles near 90˚ because the SNR are relatively lower for both PIFAs at incident 

angle of 90˚, which is evident from Fig. 2.12. Therefore, the SNR level is an important 

factor for good DoA estimation performance.  



 

 

51 

 

Fig. 2.14 DoA estimation error for the PIFAs / scatterers system assuming a 

magnitude difference error of 0.25 dB and a phase difference error of 2˚. 

 

Fig. 2.15 RMS errors of DoA estimation for the PIFAs / scatterers system 

assuming CWGN with reference SNR of 25 dB.  

The two-PIFA with scatterers is then fabricated. For the PIFAs, firstly a copper 

sheet is used to realize the antenna. However, since the copper sheet conducts heat 

quickly, poor soldering result is observed using soldering iron without pre-heating the 

sheet. Heat plate is then used to pre-heat the copper sheet and do the soldering afterward. 

However, since there are both top and bottom parts to be soldered, (for example the 

shorting strip and the feeding pin to the ground and to the top plate as the top part, and 

the SMA connectors to the ground as the bottom part) the top and bottom parts are 
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difficult to be soldered and secured at the same time when heated. Finally, a Duroid 5880 

board with a 31-mil thickness is used for realizing the PIFAs. This configuration can be 

easily soldered but there is a mechanical stability issue whose shape can be easily 

deformed by a force. The fabricated PIFAs without and with scatterers are shown in Fig. 

2.16. The corresponding measured reflection coefficients are plotted in Fig. 2.17 together 

with the simulated results. The measurement and simulation results correspond well. 

Some discrepancy happens because of the fabrication tolerance. 

 

Fig. 2.16 Fabricated PIFAs with common ground plane and SMA connectors. 

(a) without scatterer; (b) with scatterers. 

 

Fig. 2.17 The comparison of the simulated and measured reflection coefficients 

of the two PIFAs for the cases of without scatterer (a) and with scatterers (b). 

The phase and magnitude difference cue of the PIFAs without scatterer are 

measured to ensure the PIFAs are working. The measurement is performed inside an 

anechoic chamber. The diagram of the measurement setup is shown in Fig. 2.18. An 

(a) 
(b) 



 

 

53 

analog signal generator (8257C) is used together with a double ridged horn antenna 

(EMCO/ETS 3115) to produce a 2.4-GHz signal with a source power of 16 dBm. A 

rotating tower is placed under the PIFAs and is used to rotate the PIFAs in the azimuth 

plane controlled by a computer. A digital oscilloscope (DSO9404A) with its two ports 

connected to the two PIFAs is used to obtain the received voltages at the two PIFAs. FFT 

(fast Fourier transformation) is applied afterwards to obtain the phase and magnitude 

information at 2.4 GHz. A picture of the horn antenna and PIFAs in the anechoic 

chamber to form a link is shown in Fig. 2.19(a) and Fig. 2.19 (b). The enlarged view of 

the PIFAs placed on the rotating tower is shown in Fig. 2.19(c). One end of two coaxial 

cables are connected to the two PIFAs and the other end to the oscilloscope. A picture of 

the computer controlling the rotator, the oscilloscope, and the signal generator is shown 

in Fig. 2.19(d). 

 

Fig. 2.18 Diagram of measurement setup. 
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Fig. 2.19 Measurement setup. Horn antenna (a), PIFAs (b) in the anechoic 

chamber, enlarged view of PIFAs on the rotating stage (c), testing setup (d). 

The calculated phase and magnitude differences after FFT transformation of the 

measured signals for the without-scatterer case are plotted in Fig. 2.20. The 

corresponding simulated phase and magnitude differences are also plotted for comparison. 

The phase difference from the measurement corresponds well with that of the simulation. 

The measured magnitude difference is greater than the simulated result up to 3 dB. This 

fact can be explained by the fabrication tolerance and the scattering at the cables and 

supporting towers. In addition, as shown in Fig. 2.19(c), when the rotator rotates (to 

obtain various incident angles), the induced bend/twist/movement of the cables 

connecting the PIFAs and the oscilloscope may also introduce uncertainty to the 

measured data. 

 

Fig. 2.20 The comparison of the simulated and measured phase difference (a) 

and magnitude difference (b) between the two PIFAs without scatterer. 

(a) (b) 
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Next, the measurement is carried out to demonstrate the DoA-estimation 

capability of the PIFAs / scatterers system. Because the with-scatterers case has a 

relatively lower received power level, a vector network analyzer (VNA E8361A) is used 

for this measurement for its lower noise floor compared to the oscilloscope. The 

measurement is carried out in the anechoic chamber with a double ridged horn antenna 

being the transmitter and the PIFAs / scatterers under test being the receiver, as shown in 

Fig. 2.21. The measurement procedure is as follows: 1) The system is setup as shown in 

Fig. 2.22. The horn antenna is placed on a supporting tower. The PIFAs / scatterers 

system is placed on another rotating tower, which is used to rotate the PIFAs in the 

azimuth plane from 0º to 360º with a 2º step controlled by a computer. One port of the 

VNA is connected to the double ridged horn antenna (as transmitter), and the other port is 

connected to one of the two PIFAs at a time (the other PIFA is terminated with a 50-Ohm 

load). 2) The VNA is set to have an output power of -2 dBm at 2.4 GHz. 3) Two-port 

SOLT (short-open-load-thru) calibration is performed at the VNA using an Agilent 

85052D cal-kit so that the measured S-parameters have reference planes located at the 

ports of the horn antenna and the PIFA. 4) The PIFAs / scatterers system is placed 75 

inch apart from the horn (in the far field zone of the horn) and is aligned with the horn. 5) 

The S21 parameter (transmission coefficient between the horn antenna and one of the two 

PIFAs) is measured and recorded at each rotating step (from 0º to 360º with a 2º step). 

This set of data is saved as the calibration / steering set of data. 6) The PIFAs / scatterers 

system is placed 81 inch apart from the horn (also in the far field zone of the horn). 7) 

Step 5) is repeated to obtain the testing set of data. 
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Fig. 2.21 The horn (a) and PIFAs with scatterers system (b) setup in the 

anechoic chamber. 

 

Fig. 2.22 Measurement setup using a VNA connecting a horn antenna and one 

port of the two-PIFA system with scatterers. 

 

Fig. 2.23 Measured phase difference (a) and magnitude difference (b) from the 

calibration and testing data. 
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The calculated phase and magnitude differences from the measured calibration 

and testing sets of data are plotted in Fig. 2.23. The phase and magnitude cue from testing 

and calibration are close, showing a sign of good estimation. The transition in the phase 

and magnitude differences curves at 90º may be due to the low received power level as 

one can see from Fig. 2.24. The received power level is relatively low for both PIFAs at 

incident angle of 90º, which is also indicated from the simulation in Fig. 2.12. MUSIC 

algorithm is used to estimate the incident angle based on the testing signals and the 

steering vectors. The DoA estimation errors are plotted in Fig. 2.25. The estimation errors 

are smaller than 4º for most of the incident angles. The large error at around 0º is due to 

the low sensitivity as can be seen in Fig. 2.13 and the large error at around 90º is due to 

the low received power level at both PIFAs. 

 

Fig. 2.24 Measured calibration & testing sets of pattern at PIFA 1 & 2. 



 

 

58 

 

Fig. 2.25 The measured estimation error for PIFAs / scatterers system. 

 

The essence of this direction finding technique is to get the incident angle 

dependent combination of phase and amplitude information. From the previous 2-D 

direction finding analysis, it is obvious that the scatterer geometry and material 

parameters matter much in the DoA estimation accuracy. If the scatter is optimized such 

that the receiving response function is incident angle dependent for all directions 

including azimuth and elevation, this technique may be extended to achieve 3-D direction 

finding (DF) capability. In the following, genetic algorithm is explored to optimize the 

scatterer with the goal of realizing 3-D DF. 
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Fig. 2.26 Original geometry of the monopole with scatterer system, monopoles 

same as in Fig. 2.2. 

As shown in Fig. 2.26, the original asymmetric scatterer is divided into 5×4×3=60 

blocks with every block of 3×3×3 mm3 (εr = 2.05, μr = 1.19 and tanδ = 1.15). Every 

sequence of 60 binary digits represents one kind of scatterer geometry. “1” represents the 

lossy block exists and “0” means a substitute of air in place of the lossy block. Then the 

genetic algorithm [56] is applied to optimize the scatterer geometry, where the algorithm 

code is written by myself using MATLAB software. The geometry property of each unit 

block is treated as a chromosome and the chromosome length is 60. The population size 

is chosen as 4 (4 simulations each time) considering the parallel computation capability 

using the ANSYS HFSS software. The goal is set to obtain the average error of the 

estimated DoA smaller than 2°. Figure 2.27 illustrates the procedure of this optimization. 

First, a population with 4 individuals (each carries a sequence of 60 binary digits - 

chromosomes) is randomly generated initially. Then an HFSS script is generated 

according to the individuals’ geometry. After the HFSS models are built, these models 

are simulated and the magnitude and phase information received at the two monopoles is 

saved. Next, this information is used to calculate the DoA estimation error in MATLAB 

software and the fit value is calculated as 1/(1+𝜖), where 𝜖 is the average error of the 

DoA estimation. Finally, a decision is made that if the goal is achieved, the procedure 

Ant#1 

Ant#2 

Scatterer 

Plane wave incident 
from (θi, ϕi) 

ϕ 
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should stop, and if not, a new generation should be generated using the genetic algorithm. 

Fitness proportionate selection, also known as roulette wheel selection [56], is used to 

select potentially useful genomes from the population for later breeding. In fitness 

proportionate selection, the probability of the selection is proportional to the individual fit 

value. The selection process is repeated until there are four individuals selected. The new 

population is then generated by one-chromosome mutation and one-point crossover 

within the selected individuals. The crossover probability is chosen as 0.95 and the 

mutation rate is 0.1. 

 

Fig. 2.27 Genetic optimization procedure. 

During the genetic optimization procedure, to obtain the DoA estimation error for 

each individual, the simulated phase and magnitude differences of the received signals 

between the two monopoles as a function of steering angle (𝜃  - elevation angle,   - 

azimuth angle) are saved as the calibration steering vectors. To save computation time, θ 

is swept from 10° to 90° and  is swept from 0° to 350° with 10° step. Then, for an 
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arbitrary incident angle (θi -  elevation angle, i - azimuth angle), the MUSIC algorithm is 

used to estimate the DoA assuming a phase error of 2° and a magnitude error of 0.25 dB 

of the received signals. In order to better evaluate the system, we used the absolute 

elevation error ∆𝜃 and absolute azimuth error ∆𝜙
 

as the assessment criteria. The average 

estimation error over all incident angles is represented as: 𝜖 = ∑
√∆𝜃𝑚

2 +∆𝜙𝑛
2

𝑀𝑁𝑚,𝑛  where M is 

the total number of θ and N is the total number of . A better figure of merit for the 

estimation error may be the angle between vectors in the true incident direction (𝜃𝑖, 𝜙𝑖) 

and in the estimated direction (𝜃𝑖, �̂�𝑖), and can be expressed as: 

 𝛼 = 𝑐𝑜𝑠−1{𝑠𝑖𝑛𝜃𝑖𝑠𝑖𝑛𝜃𝑖𝑐𝑜𝑠(𝜙𝑖 − �̂�𝑖) + 𝑐𝑜𝑠𝜃𝑖𝑐𝑜𝑠𝜃𝑖} 
(2.6) 

Figure 2.28 is the optimization results after 354 generations at 12 GHz. It takes 

about 3 weeks to finish this optimization (i7 CPU, 2.67 GHz with 12 GB memory). The 

smallest average error from this optimization is about 5°, which means our goal 2° error 

is not achieved. In addition, the figure shows that the average estimation error curve 

doesn’t converge very well. The reason may be that the population is too small or just 

changing the shape can’t achieve our goal. And we may have to change the material 

property like permittivity, permeability, and loss tangent to further improve the DoA 

performance.  
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Fig. 2.28 Genetic optimization results after 354 generation with total 354 × 4 = 

1416 geometries (θ from 10° to 90° and ϕ from 0° to 350° with 10° step).  

Figure 2.29 shows the schematic of the optimized geometry. With this 

configuration, the received magnitude and phase differences with finer angle sweeping 

are simulated where θ is within 2° ~ 90° and ϕ is within 0° ~ 358° with 2° step. The 

estimated error ∆𝜃 and ∆𝜙 as a function of the incident angle (θi, i) are plotted in Fig. 

2.30. There are large errors at i = 0° and 180°, where for both cases, the magnitude and 

phase differences between the received signals at the monopoles are near 0. Nevertheless, 

most of the incident angles have small error, indicating a promising technique for the 

estimation of DoA from all directions in 3D space. The corresponding DoA estimation 

error results using (2.6) for the geometry in Fig. 2.29 are plotted in Fig. 2.31. It also 

shows a larger estimation error at i of 0° and 180°. The average estimation error in terms 

of angle between vectors in the estimated direction and in the true incident direction (over 

all incident angles) is 31.7°. Further optimization on the scatterer shape and material 

property such as permittivity and permeability should be applied to obtain improved DoA 

estimation performance for the complete 3D space. 



 

 

63 

 

Fig. 2.29 The geometry of the best case of the genetic optimization after 354 

generations. 

 

Fig. 2.30 Absolute estimated elevation error ∆𝜽 (a) and azimuth error ∆𝝓 (b) 

of the optimized geometry in Fig. 2.29 (steering angles 𝜽 from 2° to 90° and 𝝓 from 

0° to 358° with 2° step). A phase error of 2° and a magnitude error of 0.25 dB of the 

received signals are assumed. 

Ant#1 

Ant#2 

Scatterer 
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Fig. 2.31 Angle between vectors in the estimated direction and in the incident 

direction (steering angles 𝜽 from 2° to 90° and 𝝓 from 0° to 358° with 2° step). A 

phase error of 2° and a magnitude error of 0.25 dB of the received signals are 

assumed. 

 

 

Human ears have the amazing ability of estimating arrival angle (mainly in the 

azimuth plane) with accuracy up to 1° without ambiguity under binaural (utilizing two 

ears) conditions. Inspired by the human auditory system, an improved DoA technique 

using only two antennas with a scatter in between them, emulating the low-pass filtering 

function of the human head at high frequency to achieve additional magnitude cues, has 

been described. By exploiting the incident-angle-dependent magnitude and phase 

differences between two antennas, the DoA of a microwave signal can be estimated. 

Simulated results of the azimuth DoA of a 2-monopole example at X-band frequency (8 

to 12 GHz) with designed two lossy scatterers in between have shown that the 

incorporation of lossy scatterers can eliminate the high-frequency ambiguity associated 
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with phase wrapping. A low-profile PIFAs / scatterers system is also designed and 

fabricated. The 2D DF in the azimuth plane without ambiguity is verified through 

simulation and measurement. In addition, the capability of extending the two-antenna DF 

technique for 3-D DoA estimation is demonstrated. The two-monopole system with a 

genetic algorithm optimized lossy scatterer in between  is proposed to achieve the goal 

that the response function is incident angle dependent for all directions in 3-D. Simulated 

3-D DoA estimation errors of the optimized geometry show an encouraging accuracy and 

sensitivity. However, the large DoA estimation error near  = 0° and 180° should be 

further studied and eliminated. One possible solution may be applying scatterer 

optimization of both geometry and material parameters such as permittivity, permeability, 

and loss tangent. Using other practical antennas with higher directivity instead of 

monopoles may also help.  
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 Closely-Spaced Electrically Small Antenna Array Direction 

Finding 

In this chapter, compact direction finding (DF) systems using a scatterer of high 

dielectric constant in between adjacent closely-spaced electrically small antennas are 

examined. By adding a high-permittivity scatterer, the directional sensitivity can be 

enhanced. However, due to limited physical dimension, an electrically small antenna has 

highly reactive impedance. To improve the received signal to noise ratio (SNR), a 

matching network should be included. Highest directional sensitivity satisfying a given 

power constraint is compared for with and without a scatterer cases. In addition, widely 

used matching approaches such as multiport-conjugate matching (MCM), self-conjugate 

matching (SCM), and Eigen-mode decoupling matching (EDM) are investigated to 

improve the system SNR. The impact of these matching networks on the directional 

sensitivity is studied. The power and directional-sensitivity bandwidth after matching is 

also analyzed. Finally, the two-monopole and a high-permittivity scatterer system with 

SCM and MCM circuits are fabricated and tested. 

 

Biologically inspired techniques are attractive to achieve compact and superior 

direction finding systems. Inspired by the human auditory system, an improved DoA 

estimation technique using two antennas with a lossy scatterer in between them to 

emulate the function of the human head as a low pass filter has been reported [9, 10]. The 

head-related-transfer function leads to both a phase and a magnitude difference (incident 
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angle dependent) between the received signals at two ears. The combination of the phase 

(or time for transient signals) and magnitude difference information enables the human 

auditory system to have great localization capabilities. Inspired by the human monaural 

direction finding system, another DoA estimation technique using just a single wideband 

antenna is proposed [14, 15]. Incident-angle-dependent spectrum is used as the cue for 

directions, and encouraging DoA estimation performance is achieved. Inspired by the 

parasitoid fly, an array with two electrically small antennas with enhanced directional 

sensitivity is demonstrated in [57, 58]. A coupling network is used to amplify the phase 

difference between antenna elements. 

In this chapter, an electrically small antenna (0.07𝜆0 , 𝜆0  - wavelength in free 

space) array with small spacing (0.05𝜆0) between adjacent antennas is used to tackle the 

challenge of limited physical size, especially for low frequencies. In this case, the size of 

the whole system can be reduced largely. However, the phase difference of received 

signals between antennas can be very small due to the space limitation. This small phase 

difference leads to a low degree of sensitivity for the DoA estimation. Several techniques 

have been proposed to enhance the directional sensitivity by signal processing using a 

transformation matrix [59] or by using a magnitude difference cue instead of a phase 

difference cue with differently-oriented dipoles and loops [60-62]. Inspired by the human 

auditory system, a DoA sensitivity enhancement technique using a high dielectric-

constant head-like scatterer in between two electrically-small antennas is proposed [63, 

64]. With the added scatterer, the phase difference can be enlarged, thus enhanced 

directional sensitivity can be achieved in a limited space. However, the received power of 

the proposed DF system is relatively low due to the antenna impedance mismatch (large 
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reactance). The DoA-estimation system with a small footprint should have an improved 

received SNR for practical applications. In this work, the relationship between the 

directional sensitivity and the power constraint is quantitatively evaluated at system level 

for both with and without a scatterer cases. Details of the directional sensitivity and the 

received power of the system with various matching approaches such as multiport-

conjugate matching (MCM), self-conjugate matching (SCM), and Eigen-mode 

decoupling matching (EDM) are investigated. Both high directional sensitivity and high 

SNR can be achieved after optimizing the added matching circuit. The usable bandwidth 

in terms of the received power and the directional-sensitivity of the system after matching 

is analyzed. The proposed DF system with designed matching circuits are finally 

fabricated and tested. 

 

Two electrically small monopoles are placed close to each other (spacing ≪ half 

wavelength) to reduce the total size of the DF system. For the two-antenna system, the 

phase difference cue is used to determine the angle of incidence. Steeper phase-difference 

slope means higher directional sensitivity. The two-electrically-small-monopole system 

model is as shown in the inset of Fig. 3.1. The monopole antennas are connected to 50-Ω 

coaxial ports. The monopole dimensions are: length L = 70 mm, diameter D = 0.25 mm, 

element spacing d = 50 mm, and the ground plane size is 150 × 200 mm2. The system is 

modeled in the finite-element EM software - ANSYSTM HFSS at a frequency of 300 

MHz with plane-wave excitation in the azimuth plane from 0° to 90°. Under this 

circumstance, the monopole length is only 0.07𝜆0 (electrically small) and the element 
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spacing is 0.05𝜆0 , where 𝜆0  is the wavelength in free space. The phase difference 

between the received signals at the two monopoles follows: 

 Ψ(𝜙i) = 2𝜋𝑑𝑠𝑖𝑛(𝜙i)/𝜆0 (3.1) 

to the first order, where 𝜙i is the incident azimuthal angle. Thus, the maximum phase 

difference of the two-monopole system is small, approximately 20° as shown in Fig. 3.1. 

Assuming the whole 3D space is now filled with a material of a dielectric constant of εr. 

The phase difference then becomes Ψ′(𝜙i) = 2𝜋𝑑𝑠𝑖𝑛(𝜙i)√휀𝑟/𝜆0, which is √휀𝑟 times of 

the phase difference for free-space case. This indicates the possibility of increasing the 

directional sensitivity by adding a scatterer of high permittivity in between the two 

antennas. The phase difference of this configuration would not be as simple as Ψ′(𝜙i) 

because the scatterer is of finite size, though. 

To increase the directional sensitivity, a high-dielectric-constant scatterer is added 

in between the two monopoles as shown in Fig. 3.2. The scatterer has a size of 30 × 44 × 

70 mm3. The dielectric constant of the scatterer can be chosen as required enhancement 

of the directional sensitivity. Low loss tangent of the scatterer is intended to reduce the 

power loss. To investigate the directional-sensivity enhancement technique, the anatase-

grade titanium dioxide (TiO2) is chosen. TiO2 is selected because it has high dielectric 

constant of 48, low loss tangent of 0.002. In addition, a solid block of TiO2 is 

commercially available. Figure 3.3 plots the phase difference and received power levels 

of the two-monopole system without and with the scatterer at 300 MHz when the E field 

of the incident plane wave is of 1 V/m. All the simulations in this work consider an 

incident plane wave excitation with the E field of 1 V/m. It can be clearly seen from Fig. 

3.3(a) that by adding the scatterer, the slope of the phase difference curve is much steeper 
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(three times enhancement), which indicates that the directional sensitivity is improved. 

However, as can be seen from Fig. 3.3(b), the received power levels after adding the 

scatterer are about 6 - 7 dB lower than the case without scatterer. Enhanced directional 

sensitivity is achieved by sacrificing the available SNR. 

 
Fig. 3.1 Simulated phase difference between received signals at the two 

monopoles vs. incident angle of plane wave from 𝟎° - 𝟗𝟎° at 300 MHz using ANSYS 

HFSS software; inset: schematic of the two-monopole configuration. 

 

Fig. 3.2 Schematic of the two monopoles with a center TiO2 scatterer (anatase 

grade with εr = 48 & tanδ = 0.002) of a size of 30 × 44 × 70 mm3.  
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Fig. 3.3 Simulated phase difference (a) and received power (b) at 300 MHz of 

the two-monopole configuration with / without a TiO2 scatterer (Fig. 3.2) when the 

incident plane wave has an E field of 1 V / m. 

 

Fig. 3.4 Simulated phase difference (a) and received power (b) at 300 MHz of 

the two-monopole configuration with / without an enlarged TiO2 scatterer when the 

incident plane wave has an E field of 1 V/m. 

Adding a high-permittivity scatterer to the two-monopole configuration does not 

necessarily lead to a decreased SNR level. The two-monopole configuration embedded in 

a TiO2 scatterer of a larger size of 100 × 60 × 70 mm3 is such a design that achieves better 

port impedance matching than the case without the scatterer. With this scatterer, the slope 

of the phase difference curve is about five times steeper than without scatterer case as 

(a) (b) 

(a) (b) 
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shown in Fig. 3.4(a). In addition, the received power level is at least 7 dB higher than 

without scatterer case as shown in Fig. 3.4(b).  

Although the two-monopole system with an enlarged scatterer design shows 

improved performance compared to the design in Fig. 3.2, both systems with a scatterer 

suffer from significant mismatch. This is the consequence of the electrically small 

antenna size. For practical DF applications, high DoA estimation accuracy is desired. 

Therefore, good directional sensitivity and good SNR are both important. Matching 

networks for the proposed system are thus investigated in the following section.  

 

Because of the highly reactive input impedance, the compact DF system needs a 

matching network to increase received power for good SNR level. However, matching 

networks may alter the coupling between the two antennas, thus change the phase cue 

completely. It is critical to examine the impact of matching networks on the directional 

sensitivity so that a system with both good directional sensitivity and good SNR can be 

achieved. Matching approaches such as MCM, SCM and EDM have been widely used to 

enhance the system SNR. Direction finding performance of the proposed two-monopole 

configuration without and with a TiO2 scatterer as shown in Fig. 3.2 (scatterer of smaller 

size) after adding these matching networks are analyzed. 
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 Calculation of Received Signal After Matching 
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Fig. 3.5 Illustration of a transmitter and the two-monopole configuration with 

a matching network as the receiver. 

A matching network represented by a 4-port network (see Fig. 3.5) is studied to 

compare the DF performance of the two-monopole configuration without and with a 

scatterer (Fig. 3.2) after matching. The received voltages at port 1’ and 2’ after matching 

can be calculated from the voltages at port 1 and 2 before matching and the S-parameters 

of the matching network and the antenna network [65]. To derive the relationship, a 

transmitter is included so that the received voltages at port 1’ and 2’ can be calculated as 

the transmission coefficients between the transmitter and the ports. The illustration of the 

setup of a transmitter and the two-monopole configuration with a matching network at 

the receiver end is shown in Fig. 3.5. The derivation is shown as follows. 

The S-matrix of the two-monopole configuration with and without a scatterer is 

labeled as Sant and can be expressed as: 

 𝑆𝑎𝑛𝑡 = [
𝑠11 𝑠12
𝑠21 𝑠22

] (3.2) 

In this work, capitalized variable name will be a vector or a matrix, instead of a scalar. A 

matching network is added to the two-monopole configuration before any signal 

acquisition unit. The S-matrix of the matching network is represented as: 
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 𝑆𝑚 = [
[
𝑠1′1′ 𝑠1′2′
𝑠2′1′ 𝑠2′2′

] [
𝑠1′3′ 𝑠1′4′
𝑠2′3′ 𝑠3′4′

]

[
𝑠3′1′ 𝑠3′2′
𝑠4′1′ 𝑠4′2′

] [
𝑠3′3′ 𝑠3′4′
𝑠4′3′ 𝑠4′4′

]
] = [

𝑆𝐿𝐿 𝑆𝐿𝑅
𝑆𝑅𝐿 𝑆𝑅𝑅

]  (3.3) 

where 𝑆𝐿𝐿, 𝑆𝐿𝑅, 𝑆𝑅𝐿, and 𝑆𝑅𝑅 are submatrices, and L and R represent the left two (port 1′ 

& 2′) and right two ports (port 3′ & 4′) of the matching network as marked in Fig. 3.6. 

Then the output and input voltages of the matching network have the relationship: 

 [
𝑉𝐿
−

𝑉𝑅
−] = [

𝑆𝐿𝐿 𝑆𝐿𝑅
𝑆𝑅𝐿 𝑆𝑅𝑅

] [
𝑉𝐿
+

𝑉𝑅
+]  (3.4) 

where [∙]+ and [∙]− denote the incident and reflected voltages respectively. Considering 

the transmitter and the two-monopole configuration as a 3-port network (port 0 for 

transmitter and 1 and 2 for the two monopoles), the output and input voltages from the 

network can be expressed as 

 [
𝑉𝑎𝑛𝑡
−

𝑣0
− ] = [

[𝑆𝑎𝑛𝑡]
𝑠10
𝑠20

𝑠01 𝑠02 𝑠00
] [
𝑉𝑎𝑛𝑡
+

𝑣0
+ ]  (3.5) 

Since the right two ports of the matching network are directly connected to the antenna 

ports, we have 

 {
𝑉𝑅
− = 𝑉𝑎𝑛𝑡

+

𝑉𝑅
+ = 𝑉𝑎𝑛𝑡

−  (3.6) 

From (3.4)(3.6), there is 

 𝑉𝐿
− = 𝑆𝐿𝐿𝑉𝐿

+ + 𝑆𝐿𝑅𝑉𝑎𝑛𝑡
−   (3.7) 

and 

 𝑉𝑎𝑛𝑡
+ = 𝑆𝑅𝐿𝑉𝐿

+ + 𝑆𝑅𝑅𝑉𝑎𝑛𝑡
−   (3.8) 

Substitute (3.8) into (3.5), it is obtained that 

 𝑉𝑎𝑛𝑡
− = (𝐼 − 𝑆𝑎𝑛𝑡𝑆𝑅𝑅)

−1 (𝑆𝑎𝑛𝑡𝑆𝑅𝐿𝑉𝐿
+ + [

𝑠10
𝑠20
] 𝑣0

+ ) (3.9) 

Next, substitute (3.9) into (3.7), we have the output voltages after matching expressed as: 
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𝑉𝐿
− = (𝑆𝐿𝐿 + 𝑆𝐿𝑅(𝐼 − 𝑆𝑎𝑛𝑡𝑆𝑅𝑅)

−1𝑆𝑎𝑛𝑡𝑆𝑅𝐿)𝑉𝐿
+

+ 𝑆𝐿𝑅[𝐼 − 𝑆𝑎𝑛𝑡𝑆𝑅𝑅]
−1 [

𝑠10
𝑠20
] 𝑣0

+  
(3.10) 

Then the transmission coefficients from the transmitter to the port 1’ and 2’ of the 

receiver can be written as: 

 [
𝑠1′0
𝑠2′0

] = 𝑆𝐿𝑅[𝐼 − 𝑆𝑎𝑛𝑡𝑆𝑅𝑅]
−1 [

𝑠10
𝑠20
] (3.11) 

Thus, the received voltages (for incident angle of 𝜙𝑖) after matching can be calculated 

from those before matching and the scattering matrices as: 

 [
𝑣𝑜𝑢𝑡,1′(𝜙𝑖)

𝑣𝑜𝑢𝑡,2′(𝜙𝑖)
] = 𝑆𝐿𝑅[𝐼 − 𝑆𝑎𝑛𝑡𝑆𝑅𝑅]

−1 [
𝑣𝑖𝑛,1(𝜙𝑖)

𝑣𝑖𝑛,2(𝜙𝑖)
] (3.12) 

In simulation, the received voltages before matching are obtained from ANSYSTM 

HFSS software using an incident plane wave as the excitation. The received power and 

phase difference after matching can be calculated according to (3.12).  
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Fig. 3.6 Illustration of the two-monopole configuration with / without a 

scatterer matched by a general matching network that is lossless, reciprocal and 

symmetric. The incident plane wave has an E field of 1 V/m. 

Since adequate received power level is desired at both monopole outputs and the 

two monopoles are identical, a matching network that is lossless, reciprocal and 
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symmetric is investigated to study the power and directional sensitivity tradeoff. The 

schematic of the whole system is shown in Fig. 3.6 with a plane-wave excitation of an E 

field of 1 V/m.  

Applying singular value decomposition (SVD) [66] to the scattering matrices of 

the matching network, we have: 𝑆𝑖𝑗 = 𝑈𝑖𝑗 Σ𝑖𝑗𝑉𝑖𝑗
𝐻 , 𝑖 = 𝐿 𝑜𝑟 𝑅, 𝑎𝑛𝑑 𝑗 = 𝐿 𝑜𝑟 𝑅, where 𝑈𝑖𝑗 

and 𝑉𝑖𝑗 are unitary matrices, Σ𝑖𝑗 = diag(𝜎𝑖𝑗,1, 𝜎𝑖𝑗,2) is a diagonal matrix with non-negative 

real numbers, and [∙]𝐻denotes conjugate transpose. Because of the reciprocal property, 

the S-matrix of the matching network is symmetric: 

 𝑆𝑚 = 𝑆𝑚
𝑇  (3.13) 

where [∙]𝑇 denotes transpose. Therefore,  

 𝑆𝑅𝑅 = 𝑆𝑅𝑅
𝑇  (3.14) 

 𝑆𝐿𝐿 = 𝑆𝐿𝐿
𝑇  (3.15) 

 𝑆𝑅𝐿 = 𝑆𝐿𝑅
𝑇  (3.16) 

According to (3.14) and (3.15), the SVD decompositions of 𝑆𝐿𝐿 and 𝑆𝑅𝑅 are equivalent to 

their orthogonal decompositions [66] and can be written in the form: 

 𝑆𝑅𝑅 = 𝑄𝑅𝑅 [
𝜎1𝑒

𝑗𝜑1 0

0 𝜎2𝑒
𝑗𝜑2
] 𝑄𝑅𝑅

𝑇  (3.17) 

 𝑆𝐿𝐿 = 𝑄𝐿𝐿 [
𝜎3𝑒

𝑗𝜑3 0

0 𝜎4𝑒
𝑗𝜑4
]𝑄𝐿𝐿

𝑇  (3.18) 

where 𝑄𝑅𝑅  and 𝑄𝐿𝐿  are orthogonal matrices with real entries. Because of the lossless 

property, the S-matrix of the matching network is unitary: 

 𝑆𝑚
𝐻𝑆𝑚 = 𝐼 (3.19) 

So: 
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 𝑆𝐿𝐿
𝐻 𝑆𝐿𝐿 + 𝑆𝑅𝐿

𝐻 𝑆𝑅𝐿 = 𝐼 (3.20) 

 𝑆𝐿𝑅
𝐻 𝑆𝐿𝑅 + 𝑆𝑅𝑅

𝐻 𝑆𝑅𝑅 = 𝐼 (3.21) 

 𝑆𝐿𝐿
𝐻 𝑆𝐿𝑅 + 𝑆𝑅𝐿

𝐻 𝑆𝑅𝑅 = 0 (3.22) 

Based on (3.16)(3.20)(3.21)(3.22), one can get 𝜎3 = 𝜎1, 𝜎4 = 𝜎2, and: 

 𝑆𝐿𝑅 = 𝑄𝐿𝐿  

[
 
 
 ±𝑗√1 − 𝜎1

2𝑒𝑗
𝜑1+𝜑3
2 0

0 ±𝑗√1 − 𝜎2
2𝑒𝑗

𝜑2+𝜑4
2

]
 
 
 

𝑄𝑅𝑅
𝑇  (3.23) 

Because of network symmetry for port 1’ and 2’, and for port 3’ and 4’ as shown in Fig. 

3.6, the elements in the 𝑆𝐿𝑅  matrix satisfy 𝑠1′3′ = 𝑠2′4′  and 𝑠1′4′ = 𝑠2′3′ . Thus we can 

have  

 𝑄𝐿𝐿 = 𝑄𝑅𝑅 =
1

√2
[
1 −1
1 1

] (3.24) 

Note that 𝑄𝐿𝐿 and 𝑄𝑅𝑅 are not unique, and a multiplication of a column or a row of them 

by a negative sign is still valid without changing the S-parameters. Equations (3.18)(3.23) 

can be re-written as: 

 𝑆𝐿𝐿 = 𝑄𝑅𝑅 [
𝜎1𝑒

𝑗𝜑3 0

0 𝜎2𝑒
𝑗𝜑4
]𝑄𝑅𝑅

𝑇  (3.25) 

 𝑆𝐿𝑅 = 𝑄𝑅𝑅  

[
 
 
 ±𝑗√1 − 𝜎1

2𝑒𝑗
𝜑1+𝜑3
2 0

0 ±𝑗√1 − 𝜎2
2𝑒𝑗

𝜑2+𝜑4
2

]
 
 
 

𝑄𝑅𝑅
𝑇  (3.26) 

The full S-parameters of the lossless, reciprocal, and symmetric matching network 

can then be determined from (3.16)(3.17)(3.25)(3.26). According to (3.12), one can see 

that for any desired output voltage, the minimal number of elements needed to realize a 

lossless, reciprocal, and symmetric matching network is five. The corresponding 

variables that determine the S-parameters of the matching network are 𝜑4 − 𝜑3, 𝜑1, 𝜑2, 
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𝜎1, and  𝜎2. For a given lower bound of the received power within the incident-angle 

range (min
𝜙
{𝑃𝑜𝑢𝑡,1′(𝜙), 𝑃𝑜𝑢𝑡,2′(𝜙)} , 𝑃𝑜𝑢𝑡  - received power at port  1′  and 2′ ), optimal 

phase cue sensitivity is obtained by optimizing these five variables of the matching 

network using MATLABTM optimization tools. The directional sensitivity (𝑆𝑆𝑃𝐷 ) is 

calculated as the average slope of the curve of the phase difference (PD) vs. the azimuthal 

angle of 𝜙, which can be written as: 

 𝑆𝑆𝑃𝐷 =
1

90°
|∫

𝜕𝑃𝐷(𝜙)

𝜕𝜙
𝑑𝜙

90°

0°

| (3.27) 

  

Fig. 3.7 Power-sensitivity tradeoff (optimized phase cue sensitivity for a given 

lowest received power within the incident-angle range at the monopoles) at 300 MHz 

of the two-monopole configuration with / without a TiO2 scatterer after adding a 

lossless, reciprocal, and symmetric matching network. 

Figure 3.7 shows the numerical results of the optimal phase cue sensitivity vs. the 

power constraint for the two-monopole configuration with/without a TiO2 scatterer. The 

results indicate that there is an intrinsic tradeoff between the received power and the 

phase cue sensitivity. The phase cue sensitivity decreases linearly with the power 

constraint in dB. Moreover, the system with the scatterer has a higher phase cue 

sensitivity (an increase of 0.3) compared with the case without scatterer under the same 
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power constraint. Both with and without a scatterer cases have a maximum received 

power limit as marked in Fig. 3.7, which exactly corresponds to the results using an 

MCM network discussed in the following section. 

 Multiport-Conjugate Matching Network 

Figure 3.8 shows the block diagram of the multiport-conjugate matching 

technique, where 

 [𝑆𝑅𝑅] = [𝑆𝑎𝑛𝑡]
𝐻 (3.28) 

Both zero reflection and coupling at port 1′ and 2′ (see Fig. 3.8) and maximum received 

power summation from the two ports can be achieved using MCM.  

1 V/m
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90o
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RX1

RX2
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[Sant]H

3'

4'2'

1'

RL

i

 

Fig. 3.8 Illustration of multi-port conjugate matching for the two-monopole 

and a TiO2 scatterer configuration. 

Among those MCM networks that are lossless, reciprocal and symmetric, the ones 

with maximum phase cue sensitivity are studied. For any incident angle of 𝜙𝑖, the phase 

difference of the received signals at port 1′ and 2′ can be largest when the 𝑆𝐿𝑅 matrix in 

(3.26) satisfies 

 
𝜑2 + 𝜑4

2
−
𝜑1 + 𝜑3

2
= acos (

𝑣𝑖𝑛,1(𝜙𝑖) + 𝑣𝑖𝑛,2(𝜙𝑖)

𝑣𝑖𝑛,1(𝜙𝑖) − 𝑣𝑖𝑛,2(𝜙𝑖)
) − 𝜋/2 (3.29) 
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The derivation is as follows. From  (3.12)(3.28), we have [
𝑣𝑜𝑢𝑡,1′
𝑣𝑜𝑢𝑡,2′

] = [(𝑆𝐿𝑅)
𝐻]−1 [

𝑣𝑖𝑛,1
𝑣𝑖𝑛,2

]. 

After employing (3.26) in the formula, we have 

 

[
𝑣𝑜𝑢𝑡,1′
𝑣𝑜𝑢𝑡,2′

]

=
1

2𝜌2
2𝜌1𝑒𝑗(𝜗1−2𝜗2)

[

(𝑣𝑖𝑛,1 − 𝑣𝑖𝑛,2) + (𝑣𝑖𝑛,1 + 𝑣𝑖𝑛,2)
𝜌2
𝜌1
𝑒𝑗(𝜗1−𝜗2)

(𝑣𝑖𝑛,2 − 𝑣𝑖𝑛,1) + (𝑣𝑖𝑛,1 + 𝑣𝑖𝑛,2)
𝜌2
𝜌1
𝑒𝑗(𝜗1−𝜗2)

] 

(3.30) 

where 𝜌1𝑒
𝑗𝜗1= ±𝑗√1 − 𝜎1

2𝑒𝑗
𝜑1+𝜑3

2  and 𝜌2𝑒
𝑗𝜗2 = ±𝑗√1 − 𝜎2

2𝑒𝑗
𝜑2+𝜑4

2 . As indicated from 

(3.30), the output voltages have largest phase difference when (𝑣𝑖𝑛,1 − 𝑣𝑖𝑛,2)  is 

orthogonal to (𝑣𝑖𝑛,1 + 𝑣𝑖𝑛,2)
𝜌2

𝜌1
𝑒𝑗(𝜗1−𝜗2). Thus (3.29) is derived.  

In our case, the phase cue sensitivity is maximum when 𝜑2 + 𝜑4 = 𝜑1 + 𝜑3 since 

the magnitude of the received signals at the two monopoles are almost the same 

(|𝑣𝑖𝑛,1(𝜙𝑖)| ≈ |𝑣𝑖𝑛,2(𝜙𝑖)|, refer to Fig. 3.3). The calculated S-parameters of the matching 

network are consistent with the optimized result in Fig. 3.7. The output voltages can then 

be calculated according to (3.12)(3.26)(3.28). Figure 3.9 shows the corresponding phase 

difference and power level of the two-monopole configuration with a TiO2 scatterer 

before and after the MCM. With the MCM network, the system can achieve slightly 

better phase cue sensitivity compared with the case without matching. In addition, 

maximum received power, about 32 dB more than the case without matching, is achieved. 
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Fig. 3.9 Simulated phase difference (a) and received power (b) at 300 MHz of 

the two-monopole and a TiO2 scatterer configuration with / without the optimized 

MCM network. 

 Self-Conjugate Matching Network 

Self-conjugate matching networks are studied next for its simplicity although the 

reflection and coupling at the output ports are not zero. 

Figure 3.10 shows the block diagram of the SCM method, which is assumed to be 

lossless, reciprocal and symmetric. The SCM network should satisfy 𝑆3′3′ = 𝑆11
∗ , and 

𝑆4′4′ = 𝑆22
∗ . Thus 𝑆𝑅𝑅 can be written as:  

 𝑆𝑅𝑅 = [
𝑠11
∗ 0
0 𝑠22

∗ ] (3.31) 

Applying system lossless property, one can achieve 

 𝑆𝐿𝑅 = 𝑒𝑗𝜑 [√
𝑐 0

0 √𝑐
] (3.32) 

where c is calculated from 

 [
𝑐 0
0 𝑐

] = 𝐼 − S𝑅𝑅
𝐻 S𝑅𝑅 (3.33) 

and 𝜑 is arbitrary that will not have any impact on the received power level and phase 

(a) (b) 
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difference sensitivity. Note that 𝑒𝑗𝜑 [
−√𝑐 0

0 √𝑐
], 𝑒𝑗𝜑 [√

𝑐 0

0 −√𝑐
], and 𝑒𝑗𝜑 [

−√𝑐 0

0 −√𝑐
] 

are also valid for the 𝑆𝐿𝑅  without changing the phase difference and power output 

characteristic. The output voltages can then be calculated according to (3.12)(3.31)(3.32). 

Figure 3.11 shows the corresponding phase difference and power level of the two-

monopole configuration with a TiO2 scatterer before and after the SCM. It is found that 

the simple SCM network can increase the received power level about 8 dB while still 

maintaining the phase cue sensitivity. 
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Fig. 3.10 Illustration of self-conjugate matching for the two-monopole and a 

TiO2 scatterer configuration. 

 

Fig. 3.11 Simulated phase difference (a) and received power (b) at 300 MHz of 

the two-monopole and a TiO2 scatterer configuration with / without the SCM 

network. 

(a) (b) 
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 Eigen-Mode Decoupling Matching Network 
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Fig. 3.12 Schematic of monopoles with TiO2 scatterer and Eigen-mode 

decoupling matching network. 

Eigen-mode decoupling matching method belongs to MCM technique that is of 

unsymmetrical structure. Figure 3.12 shows the block diagram of the EDM method. A 

180° hybrid coupler [67] is used to decouple the two-monopole system with a TiO2 

scatterer first. Then SCM network is added at the following output ports. After the 

matching, both zero reflection and coupling are achieved. The derivation of the 

decoupling is shown in the following. An ideal 180-degree hybrid has: 

 

{
 
 

 
 [

𝑣Σ
−

𝑣Δ
−] =

−𝑗

√2
[
1 1
−1 1

] [
𝑣𝐴
+

𝑣𝐵
+]

[
𝑣𝐴
−

𝑣𝐵
−] = −

−𝑗

√2
[
1 −1
1 1

] [
𝑣Σ
+

𝑣Δ
+]

  (3.34) 

The two-monopole system is symmetric so that 𝑠11 = 𝑠22, 𝑠12 = 𝑠21 in:  

 [
𝑣𝐴
+

𝑣𝐵
+] = [

𝑠11 𝑠12
𝑠21 𝑠22

] [
𝑣𝐴
−

𝑣𝐵
−] (3.35) 

By plugging equation (3.35) into (3.34), one can get the S-matrix of the two-monopole 

system after decoupling as: 

 [
𝑣Σ
−

𝑣Δ
−] = − [

𝑠11 + 𝑠12 0
0 𝑠11 − 𝑠12

] [
𝑣Σ
+

𝑣Δ
+] (3.36) 
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Thus Σ port and Δ port are uncorrelated and can be matched independently using SCM 

method.  

Figure 3.13 shows the corresponding phase difference and received power level of 

the two-monopole configuration with a TiO2 scatterer before and after the EDM using the 

S-parameters. With the EDM network, the phase cue is lost while the received power 

level difference can be used as the cue for the DoA estimation. The SNR at both ports are 

higher than the case without matching except at incident angle of 0°. Compared to DF 

using a phase cue, using the magnitude cue may introduce large error in noisy 

environment since the magnitude difference range is large.  

 

Fig. 3.13 The phase difference between two monopoles (a) and received power 

at two monopoles (b) at 300 MHz with / without Eigen-mode decoupling match. 

 Power and Directional Sensitivity Bandwidth Study 

The SCM and MCM circuits synthesized above can be realized by lumped 

inductors and capacitors (L-C) as for lower frequency (< GHz). And the power and 

directional sensitivity bandwidth is studied. For a given circuit topology, the element 

values are calculated from the desired S-parameters. The topology and the element values 

of the SCM and MCM networks for the two-monopole configuration with a TiO2 

(a) (b) 
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scatterer (Fig. 3.2) are shown in Fig. 3.14. The directional sensitivity and the averaged 

total received power are plotted in Fig. 3.15. The total received power is the power 

summed at the two monopoles and averaged over all incident angles. The system using 

the SCM circuit has the same directional sensitivity and 8-dB more received power at 300 

MHz compared with the without-matching case. These results correspond well with the 

phase and power plots in Fig. 3.11. For frequencies > 300 MHz, there is a local peak for 

the total received power. However, the directional sensitivity is lower than without-

matching case. For frequencies < 300 MHz, the spectrum curve has another peak. At the 

same time, the directional sensitivity is higher than without-matching case, which is a 

sign of better performance. The bandwidth of achieving both higher received power and 

higher directional sensitivity compared to the without-matching case is from 291.5 to 300 

MHz. Similarly, the directional sensitivity and received power of the system with the 

MCM circuit at 300 MHz agree well with the results in Fig. 3.9. Other than 300 MHz, the 

directional sensitivity using the MCM circuit is 0.1 lower than the case without matching. 

With the MCM circuit, the system achieves higher received power compared to the 

without-matching case from 292 to 300 MHz. In general, the bandwidth to achieve both 

high directional sensitivity and high SNR is narrow. 

       

Fig. 3.14 Schematic of synthesized SCM (a) and MCM (b) circuits with ideal 

lumped elements.  
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Fig. 3.15 Simulated directional sensitivity (a) and averaged total power (b) of 

the two-monopole and a TiO2 scatterer configuration for without matching, with the 

synthesized SCM network, and with the synthesized MCM network. 

 Experimental Verification 

For experimental verification, two monopoles with a commercially available 

high-dielectric scatterer, K50 from TCI Ceramics, in between are fabricated as shown in 

Fig. 3.16(a). K50 has a dielectric constant of 50 and loss tangent of 0.001, which is close 

to our target permittivity as of anatase-grade TiO2. The dimensions follow the design in 

Fig. 3.2. Foam are added in between two monopoles or between monopole and the 

scatterer to ensure a 50-mm distance between the two monopoles. It is also critical to 

make sure the connection from the coaxial connector to the monopole ground is reliable 

so that the monopole system is mechanically stable when the connected long coaxial 

cable is rotating during measurement. 

Experiments are designed to measure the directional sensitivity and relative power 

levels of the designed two-monopole systems. The measurement setup is shown in Fig. 

3.17. A VERT400 antenna from Ettus Research is used as the transmitter. The two-

monopole system with or without K50 scatterer in between and with or without the SCM 

(a) (b) 
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and MCM circuits is used as the receiver under test. The distance between the transmitter 

and receiver is about 2.9 m to satisfy the far-field measurement condition. The 

transmitting antenna is placed on top of a support tower of a 1.63-m height. The DoA 

system under test is placed on another tower (same height) with a rotator to rotate the 

DoA system and the rotation is controlled by a computer. A two-port vector network 

analyzer (VNA), E8361A from Keysight, is used as the test equipment with a source 

power of 2 dBm. Whenever one monopole of the system under test is connected to the 

VNA, the other monopole is terminated with a 50-ohm load.  

 

Fig. 3.16 Photos of fabricated two-monopole configuration with a K50 scatterer 

in between (a), fabricated SCM circuit (b), and fabricated MCM circuit (c). 

 

Fig. 3.17 Diagram of the measurement setup using VNA. 
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Fig. 3.18 Photos of the measurement setup on the building roof of ECE 

department of the University of Arizona. Illustration of a VERT 400 as the 

transmitter antenna and the two monopoles with/without a K50 scatterer and 

with/without matching as the receiver (a), enlarged view of the two-monopole 

system under test (b), and enlarged view of the two-monopole system with absorbers 

on the support tower (c). 

The measurement is completed on the roof of the ECE building of the University 

of Arizona as shown in Fig. 3.18. The measured phase difference and received power of 

the two-monopole configuration with and without a K50 scatterer at 300 MHz are plotted 

in Fig. 3.19. The phase difference for with the scatterer case is 2 times of that for without-

scatterer case. The directional-sensitivity enhancement is lower than expected (3 times 

enhancement) as indicated from Fig. 3.3(a). This is due to measurement uncertainties and 

the impact of glue used to fix the scatterer onto the ground of the monopoles. For 

example, the inclusion of a 1-mm thick glue block (modeled as air) underneath the 

scatterer will result in decreased maximal phase difference, 46° in this case. The received 

power for with the scatterer case is about 4-5 dB lower than without-scatterer case, which 

is consistent with the simulation results in Fig. 3.3(b). 
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Fig. 3.19 Measured phase difference (a) and power (b) at 300 MHz for the cases 

with and without a K50 scatterer. 

The SCM and MCM circuits designed as shown in Fig. 3.14 are fabricated on 

standalone Rogers / Duroid 5880 board of 31-mil thickness. The completed circuits are 

shown in Fig. 3.16(b) and 3.16(c). The fabricated SCM circuit consists of two 1.7-nH 

inductors (0302CS-1N7XJLU) in parallel and two 111-nH inductors (132-10SMGLB) in 

series from Coilcraft®. The fabricated MCM circuit consists of two 0.3-pF capacitors 

(603DS) in series, a 620-nH inductor (1206CS-621XGLB) in between, two 47-nH 

inductors (1111SQ-47NGEB) in parallel, and two 82-nH inductors (1515SQ-82NGEB) in 

series (from receiving port to antennas load) from Coilcraft® and Johanson Technology. 

Because the values of the commercially available components have some deviation from 

the ideal values, the matching condition is impacted. Also, the extra transmission line 

from the matching circuit to the antenna system will shift the working frequency of the 

matched two-monopole and a scatterer system from 300 MHz (the initial design) to lower 

frequencies. As an illustration of this point, an example load impedance to be matched 

and the impedance with an extra transmission line are used as a comparison as shown in 

Fig. 3.20. Basically, the extra transmission line changes the load impedance to be 

(a) (b
) 
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matched, enabling it to rotate clockwisely on the smith chart. The measured reflection 

coefficients of the antenna system using the SCM and MCM circuits are shown in Fig. 

3.21. Frequency offset to lower than 220 MHz is observed from the measured reflection 

coefficients. By using the S-parameters of the commercially available L-C components 

and including the transmission lines in the simulation, the simulated reflection 

coefficients agree well with the measured results. 

 

Fig. 3.20 Schematic of a load impedance to be matched of ZL = 25+25j ohm 

with an extra λ/8 long transmission line (a), the original load impedance ZL and the 

impedance with the extra transmission line Zin on the smith chart (b). 

 

Fig. 3.21 Reflection coefficients of the two-monopole configuration with a K50 

scatterer for two scenarios: with the SCM circuit (a) and with the MCM circuit (b). 

 

As shown in Fig. 3.22, it is demonstrated that the monopoles / scatterer system 

with the SCM and MCM circuits have a higher averaged total received power in a limited 

λ/8 
ZL = 25+25j Ω 

Zin 
Z0 = 50 Ω 

(a) (b) 
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frequency band compared to the without-matching case. The averaged total received 

power in the plots are the power summation at the two monopoles averaged over incident 

angles, and are normalized by the power for the case without matching. The averaged 

total received power levels for various scenarios from the measurement agree well with 

those from the simulation, though, there are more loss from the measurement. Figure 3.23 

shows the simulated and measured directional sensitivity for scenarios of without 

matching, with the SCM circuit, and with the MCM circuit. Note that there is no unit for 

directional sensitivity as it represents the phase difference change in degree per incident 

angle change in degree. The directional sensitivities from the measurement agree 

reasonably well with those from the simulation. From the measurement, the frequency 

band with both enhanced directional sensitivities and improved SNR are from 214.4 to 

218.6 MHz for the SCM case and 210.4 to 212.8 MHz for the MCM case using without-

matching case as a reference. Examples of the simulated and measured phase difference 

of the two-monopole configuration with a K50 scatterer for the SCM case at 217 MHz 

and the MCM case at 212 MHz are plotted in Fig. 3.24(a) and Fig. 3.24 (b). Measurement 

results agree with the simulation results. The performance of the matched DF system can 

be improved after the inclusion of the transmission lines during the matching-circuit 

design. Another option is to remove the transmission line between the matching circuit 

and the antennas by fabricating the matching circuit at the same board of the ground 

plane of the antennas. 
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Fig. 3.22 Simulated (a) and measured (b) averaged total received power of the 

two-monopole configuration with a K50 scatterer (power summation at the two 

monopoles and averaged over incident angles) for with the SCM and MCM circuits, 

normalized by the power for the case without matching. 

 

Fig. 3.23 Comparison of simulated and measured directional sensitivity (no 

unit, phase difference change in degree per angle change in degree) of the two-

monopole configuration with a K50 scatterer for three cases: without matching, 

with the SCM circuit, and with the MCM circuit. 

(a) (b) 
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Fig. 3.24 Comparison of simulated and measured phase difference of the two-

monopole configuration with a K50 scatterer for two scenarios: with the SCM 

circuit at 217 MHz (a) and with the MCM circuit at 212 MHz (b). 

 

In this chapter, the technique utilizing a high-permittivity scatterer in between two 

electrically-small monopoles to achieve good DoA estimation performance is proposed 

and studied thoroughly. Compared with that of the conventional two-monopole array 

with the same physical size, the incorporation of a high-permittivity scatterer can enhance 

the system directional sensitivity without necessarily reducing the received power. 

Further study of a general matching network that is lossless, reciprocal and symmetric 

has shown that for a given power constraint, the maximum directional sensitivity of the 

matched DF system with a scatterer is higher than that without scatterer. The power and 

directional sensitivity trade-off relationship is given. Various commonly used matching 

circuits are studied to obtain good power level and good directional sensitivity at the 

same time. The SCM network is simple with limited improvement of received power 

level. The EDM network is easy to design and have magnitude difference cue instead of 

phase difference cue for directional detection. However, one of the ports will have a low-

SNR issue at some incident angles. The MCM network can achieve maximum received 

(a) (b) 
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power at the output while maintaining the directional sensitivity. The bandwidth to 

achieve enhanced directional sensitivity and improved SNR is studied. The two-

monopole system with/without a K50 scatterer and with/without the SCM and MCM 

circuits are fabricated and tested. The measurement results have verified the proof-of-

concept of this technique. 

Compared with directional enhancement techniques using a coupling network 

(lossless, reciprocal and symmetric) or, equivalently, signal processing of transformation 

matrix at the two electrically-small antennas, adding a high-permittivity scatterer in 

between the antennas can increase the SNR at given directional sensitivity or increase the 

directional sensitivity at given power constraint. The DoA estimation technique used here 

is the beamforming / interferometering method using the phase difference cue. 

Essentially, for good DoA estimation, small correlation coefficient of received signals at 

antennas across different incident angles is intended. This concept is different from 

diversity scheme (artificially creates several independent fading communication channels 

to improve the reliability of a communication link), which targets at low correlation 

coefficient of received signals across antennas / receiving ports.  
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 Single-Antenna Direction Finding 

Inspired by the sound localization capability of the human auditory system using 

single ear (monaural localization), a novel direction of arrival (DoA) estimation 

technique is described in this chapter using a single broadband antenna. By exploiting the 

incident angle dependent frequency response of the wideband antenna, the DoA of a 

broadband microwave signal can be estimated. The DoA estimation accuracies are 

evaluated for various antenna configurations and microwave signals with various signal-

to-noise ratios (SNRs). The effectiveness of the proposed direction finding technique is 

demonstrated in both simulations and experiments, although with reduced estimation 

accuracy comparing with the case with two-antennas as described in Chapter 2. 

 

Another amazing capability that humans have is the sound localization capability 

even when using only one ear, though this monaural localization only works for 

broadband sound and is less accurate than binaural localization. A simplified illustration 

of the mechanism of monaural localization is shown in Fig. 4.1. The pinnae, head and 

shoulder alter the received broadband sound spectrum, resulting in a notch frequency 

response that is incident-angle dependent, which provides a directional cue [11, 12] 

(similar to an incident-angle sensitive “comb-line filter”). Experimentally measured 

frequency-dependent single ear head-related transfer functions (HRTF) for both azimuth 

and elevation planes had been reported in [13]. By designing frequency dependencies of 
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antenna radiation patterns, this unique feature of human monaural localization can be 

used for microwave applications such as direction finding for a broadband signal [68].  
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Fig. 4.1 Simplified illustration of the human monaural direction finding 

system: The received amplitude spectrum of an incoming broadband signal depends 

on the incident angle of the signal.  

In [14], a previously demonstrated linear-polarized elliptical ultra-wide-band 

(UWB) antenna [50] was used to investigate the single antenna direction finding 

technique. The UWB antenna enables DoA estimation for a broadband signal using 

incident-angle-dependent power spectra. The DoA estimation accuracy of this technique 

was theoretically studied in all three planes with the assumption of various SNRs. In this 

work, first, the DoA estimation performance is re-evaluated in more realistic scenarios 

including a constant noise level, transmission spectral distortion and multipath effect. 

Moreover, an improved UWB antenna with asymmetrical shape (D shape) is designed 

and studied, demonstrating improved estimation accuracy due to the break of symmetry. 

Finally, Both UWB antennas are fabricated and their DoA estimation performance is 

tested. The measured results confirm the feasibility of the proposed single antenna DoA 

estimation technique.  

To investigate the broadband microwave direction finding technique, a microstrip 

leaky wave antenna (LWA) [51] is also studied for its main-beam-steering ability over 
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the working frequency range. In other words, a LWA is able to function as a band pass 

filter with an arrival-angle-dependent center frequency, which is analogous to the 

incident-angle-dependent notch frequency response of human ears. Although the 

microstrip LWA has a relatively large size (usually several wavelengths because it is a 

travelling-wave antenna), the LWA is selected here for its simplicity in terms of both 

structure and feeding method. The estimation accuracy of this DoA estimation technique 

is theoretically studied with the assumption of various SNR levels. The system is then 

tested using a pulse signal as the source [69].  

 

A single UWB antenna is used to estimate the DoA of incident broadband 

microwave signals. Similar to human monaural sound localization, the received spectra 

of the UWB antenna are correlated to the DoA as the radiation pattern of the UWB 

antenna is frequency dependent. Therefore, the DoA of a broadband signal received by 

the antenna can be estimated by evaluating the correlation coefficients of the measured 

spectrum with pre-determined incident-angle-dependent spectra. To implement this idea 

in microwave DoA estimation applications, two UWB antennas, one previously 

demonstrated with elliptical configuration [14] and another modified antenna with D-

shaped configuration for improved performance are investigated. 

 Experimental Setup 

Experimental setup of the single antenna direction finding system is shown in 

Figs. 4.2 - 4.3. The UWB antenna for DoA estimation is placed in the far field zone of the 

transmitter. The UWB source (3 – 10 GHz) in the experiment is realized by continuous 
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wave (CW) frequency sweeping. Figure 4.3 illustrates the UWB antenna orientations 

under test mounted for the measurement of incident waves in the x-y plane, the x-z plane, 

and the y-z plane. The coordination is as shown in Figs. 4.4 and 4.7. The detailed setup 

and equipment models are included in the experimental verification part in Section 4.2.5. 

 

Fig. 4.2 Measurement setup with transmitter and receiver on a building roof. 

 

Fig. 4.3 UWB Receiver set up for incident-angle sweeping in the x-y plane (a), 

the x-z plane (b), and the y-z plane (c). 

 Elliptical UWB Antenna and Simulated Performance Analysis 

The corresponding simulated DoA estimation performance using the two UWB 

antennas is presented first. The antenna response is modeled by the full-wave finite-

element electromagnetic solver - High Frequency Structure Simulator (HFSS) [70]. The 

schematic of the elliptical antenna is shown in Fig. 4.4 with antenna dimensions labeled. 

The substrate is made of Rogers’ RT / Duroid 5880 with a thickness of 31 mil, a relative 
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dielectric constant of 2.2 and a loss tangent of 0.0009. The simulated reflection 

coefficient of this antenna is less than -10 dB within frequency range from 3.4 to 10 GHz, 

as shown in Fig. 4.13(a). This antenna is linearly polarized with its co-polarization and 

cross-polarization similar to those of a monopole. When the incident wave is cross 

polarized, the power level received at the antenna is much lower than that of the co-

polarizations, resulting in a poor performance of incident-angle estimation. For this 

reason, only system performances with incident waves of co-polarization are analyzed.   

 

Fig. 4.4 The schematics (left: side view; right: top view) of the elliptical UWB 

antenna with two symmetric slots [14]. Dimensions are with unit mm. 

The received antenna spectra are obtained using plane-wave incidence excitation 

sweeping from -180º to 180º in the x-y, x-z and y-z planes. Figure 4.5(a) plots the 

received spectra of the antenna for several incident angles in the x-y plane (with the 

incident H-field in the z direction). It can be observed that the received spectra are 

incident angle dependent. To take into account noises, Gaussian White Noise (GWN) is 

added to the magnitude spectra of the received signal. Peak SNR used in the simulation is 
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the SNR considering the incident wave from the main-beam direction of the antenna. 

Therefore, the actual SNR has angular dependence due to the radiation pattern of the 

antenna. The cross-correlation coefficients between the spectra with added noises 

(emulating measured signal) for ∀ incident angle of 𝜙𝑖  and the original spectra for all 

angles at 𝜙 are then calculated. The cross-correlation coefficients are expressed as: 

 𝜌(𝜙 ) = 𝐶𝑜𝑟𝑟{�⃑�, �⃑�(𝜙)} =
∑ 𝑦𝑚 ∙ 𝑥𝑚(𝜙)
𝑀
𝑚=1

√∑ 𝑦𝑚2
𝑀
𝑚=1 ∙ ∑ 𝑥𝑚2 (𝜙)

𝑀
𝑚=1

 (4.1) 

where �⃑� equals [y1, y2, …, ym, …, yM]T, ym is the spectral magnitude of the received signal 

at #m frequency in the band in a Gaussian White noise environment, m is from 1 to M, 

and �⃑�(𝜙), i.e. [x1, x2, …, xm, …, xM]T, is the calibration set of spectrum without noise at 

M frequencies for all possible angles at 𝜙, known as a priori.  Then the angle that has the 

maximum correlation coefficient is considered as the estimated incident angle �̂�𝑖 and is 

written as 

 �̂�𝑖  = 𝑎𝑟𝑔𝑚𝑎𝑥
𝜙
 { 𝜌(𝜙) } (4.2) 

As shown in Fig. 4.5(b), for the case of 15 dB peak SNR in the x-y plane, the 

spectra with noises for incident angle 𝜙𝑖 (𝜙𝑖 = -180º, -120º, -60º, 0º, 60º and 120º) are 

still highly correlated with the original spectra at angles around 𝜙𝑖. The correlation is also 

quite high around -𝜙𝑖, which is due to the symmetry of the antenna in the x-y plane. The 

DoA of the signals with noise is then estimated by selecting the angle with the largest 

correlation coefficient. 
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Fig. 4.5 The received spectra of the elliptical UWB antenna with incident 

waves at -180º, -120º, -60º, 0º, 60º and 120º in the x-y plane (H-field in the z direction) 

(a); The correlation coefficients between the spectra with added noise (15-dB peak 

SNR) and pre-determined spectra at these incident angles in the x-y plane (b). 

 

 

Fig. 4.6 The RMS of the estimation error with various peak SNRs for incident 

waves in the x-y plane (H-field in the z direction) (a), the x-z plane (H-field in the y 

direction) (b), and the y-z plane (E-field in the x direction) (c). 

Figure 4.6(a) plots the Root Mean Square (RMS) of the estimation errors against 

incident angles in the x-y plane with H-field in the z direction for various peak SNRs. The 

RMS errors are calculated by running the simulation 1000 times. The estimation errors 

are less than 6º with most incident angles for peak SNR ≥ 15 dB cases. With the decrease 

(a) 
Incident 
Angle (deg) 

(b) 

(a) (b) 
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of peak SNR, the RMS of the estimation error increases due to the influence of the noise. 

This is quite similar to the human monaural sound localization performance [11]. The 

high estimation errors around 0º and 180º when the peak SNR ≤ 15 dB are due to 

relatively low received power levels at these angles (~20dB lower than the maximum 

possible received power of the antenna). Similarly, the received spectra of the UWB 

antenna in the x-z plane with H-field in the y direction, and in the y-z plane with E-field in 

the x direction are also direction dependent, to different degrees [14]. For co-polarization 

in the x-z plane (Fig. 4.6(b)), the estimation errors are less than 10º for most angles with 

peak SNR ≥ 20 dB. When the peak SNR < 20 dB, large estimation errors occur. Large 

peaks of error around +/- 90º are due to the fact that the received power levels are low at 

those angles (same as spectra around 0º and 180º in the x-y plane). Large error peaks 

around 0º and 180º are due to the relatively small angular dependence of the spectra 

(structure symmetry). For incident waves in the y-z plane with E-field in the x direction, 

the received power levels are large for all the angles compared with other polarizations. 

The RMS estimation errors are smaller than 30º when the peak SNR ≥ 15dB. There is 

almost no region for low estimation errors when the peak SNR is low (peak SNR = 10dB) 

because of the relatively small angular dependence of the spectra [14].  
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 D-Shaped UWB Antenna and Simulated Performance Analysis 

 

Fig. 4.7 The schematics (left: side view; right: top view) of a D-shaped UWB 

antenna.  

Due to its symmetry with respect to the x-axis, the spectra of the elliptical UWB 

antenna with added noise are also correlated to the original spectra, along the symmetric 

direction with respect to the x-axis plane. To break this symmetry to increase the 

estimation accuracy, another UWB antenna with a D-shaped configuration is also 

designed, as shown in Fig. 4.7. The antenna design parameters are selected to be: L0 = 16 

mm, L1 = 14 mm, L2 = 11.6 mm, L3 = 10.4 mm, S1 = 2 mm, W0 = 23 mm, W1 = 19.6 mm, 

W2 = 16.72 mm, W3 = 15.28 mm, W4 = 1 mm, W5 = 2.4 mm and g1 = 0.3 mm. The 

substrate is Rogers’ RT / Duroid 5880 with a thickness of 31 mil, a dielectric constant of 

2.2 and a loss tangent of 0.0009. The simulated reflection coefficient of this antenna is 

less than -6 dB from 3 to 10 GHz, as shown in Fig. 4.13(b). 

Following the same DoA estimation procedure described previously, the 

correlation coefficients of the spectra with and without added noise (peak SNR = 15 dB) 

are plotted in Fig. 4.8(a), for the case of incident waves in the x-y plane (H-field in the z 

direction). The corresponding RMS of the estimation errors with various peak SNRs are 
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plotted in Fig. 4.8(b). The spectra with added noises are still highly correlated to the 

original spectra along the direction of incident signal, as expected. In addition, the 

correlation coefficients at the symmetric direction with respect to the x-axis are reduced 

due to the break of symmetry of the D-shaped antenna, leading to improved estimation 

accuracy. The RMS of the estimation error is less than 6° for peak SNR ≥ 15dB and 

better than the case of elliptical antenna (when the peak SNR = 15 dB, averaged RMS 

error for D-shaped antenna case is 2° while elliptical antenna case is 5°), as shown in Fig. 

4.8(b). The higher RMS errors around 0° and 180° are due to lower received power level.  

 

Fig. 4.8 DoA estimation performance of the D-shaped UWB antenna in the x-y 

plane (H-field in the z direction): The correlation coefficients between spectra with 

added noise (peak SNR = 15 dB) and the pre-determined spectra at the incident 

angle θ (-180º, -120º, -60º, 0º, 60º and 120º) (a); The RMS of the estimation errors for 

various peak SNRs (b).  

Figure 4.9(a) and 4.9(b) plots the RMS errors when the incident waves are in the 

x-z plane (H-field in the y direction) and y-z plane (E-field in the x direction) respectively. 

For the case of incident waves in the x-z plane with co-polarization, the RMS errors have 

peaks around 0°, 180° and +/-90° because of the same reason as the elliptical antenna 

case. Due to the break of symmetry respect to x axis, the RMS errors in the y-z plane is 

lower compared to the elliptical antenna case for most incident angles except for around 0° 

and 180° where symmetry respect to y axis still exists.  
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Fig. 4.9 The RMS of the DoA estimation errors of the D-shaped antenna for 

various peak SNRs when incident waves are in the x-z plane (H-field in the y 

direction) (a), and the y-z plane (E-field in the x direction) (b).  

  

Fig. 4.10 Estimated DoA (mean values, lower and upper bound at 90% 

confidence level) versus true incident angles at peak SNR levels of 15 dB (a) and 20 

dB (b), in the y-z plane (E-field in the x-direction), for the D-shaped antenna.  

For better understanding of the DoA estimation performance, Fig. 4.10 plots the 

estimated incident angles (mean, upper and lower bounds for 90% confidence level) 

versus the true incident angles for the D-shaped antenna. Peak SNR levels of 15 and 20 

dB in the y-z plane (E-field in the x-direction) are investigated. Figure 4.10(a) shows that 

when the peak SNR is 15 dB, the width of the confidence interval corresponds well with 

the RMS error plotted in Fig. 4.9(b). The larger the RMS value, the wider the calculated 

confidence interval is. When the confidence interval is as wide as 30°, the estimator has a 

10° bias (difference between average estimated angle and the true incident angle); when 

the confidence interval is narrow, a good estimation with no bias is obtained. As shown 

(a) (b) 

(a) (b) 
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in Fig. 4.10 (b), when the peak SNR = 20 dB, a good angle estimation with no bias and 

small deviation is obtained except around 100°. As analyzed, a high peak SNR is critical 

in the angle estimation. If the peak SNR was very low, the angle estimation would have 

not only large deviation but also biased average value. However, if the background noise 

is simply Gaussian White noise, averaging, and smoothing can be used to increase the 

data SNR effectively. 

 Impact of Spectral Distortion and Multipath Effect 

One caveat of this technique is that it does require the user to know the 

transmitted signal (including the transmitter’s spectral response) a priori. Similarly, for 

the human auditory system, monaural DoA estimation works only when a white noise (or 

a signal close to white noise) is incident and / or after some prior self-training. To better 

understand this issue, the impact of spectral distortion of the transmitted signal is studied. 

The transmitted power spectral distortion (in dB) is modeled as a function of frequency 𝑓 

as: 

 ∆𝑝𝑜𝑤𝑒𝑟= −𝛼 (
2(𝑓 − 𝑓0)

𝐵𝑊
)
2

 
(4.3) 

where 𝛼 is the distortion level in dB,  𝑓0 is the center frequency of the band, and BW is 

the bandwidth. The actual transmitted spectrum is the result of multiplying the original 

white spectrum by the power spectral distortion. For the case of the D-shaped UWB 

antenna (incident waves in the x-y plane with H-field in the z direction), the average 

RMS estimation errors over all incident angles are simulated and plotted in Fig. 4.11. 

Various spectral distortion levels and peak SNRs assuming GWN are considered. As 

expected, higher spectral distortion level and lower peak SNR degrade the DoA 
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estimation performance. 

  

Fig. 4.11 Average RMS error of the DoA estimation over all incident angles vs. 

spectral distortion levels at various peak SNRs, for the D-shaped UWB antenna with 

incident waves in the x-y plane (H-field in the z direction). 

 

Fig. 4.12 Average RMS error of the DoA estimation over all incident angles vs. 

number of propagation paths at various peak SNRs, for the D-shaped UWB antenna 

with incident waves in the x-y plane (H-field in the z direction). 

In addition, multipath effect is important for many practical applications. As an 

initial study, the impact of multipath effect on DoA estimation accuracy is investigated 

using a multi-ray statistical channel model [71]. The received signal after multipath effect 

is modeled as the summation of signals from various paths, with the signal at each path 

being complex Gaussian distributed (real and imaginary parts of the signal are Gaussian 

distributed so that the magnitude follows the Rican distribution). When the number of 

rays / paths equals one, it means there is only the LOS propagation. In this case, the 
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received spectrum is the same as the simulated incident-angle dependent spectrum with 

the complex Gaussian White noise. All other cases include multipath fading channels in 

addition to the LOS path. Each multipath signal is assumed to have uniformly distributed 

additional path loss from 10 dB to 25 dB compared to the line-of-sight (LOS) path, 

uniformly distributed phase from 0 to 2π at each frequency bin, and uniformly distributed 

arrival angle in the azimuth plane. For the case of the D-shaped UWB antenna (incident 

waves in the x-y plane with H-field in the z direction), the DoA estimation performance 

vs. the number of propagation paths is plotted in Fig. 4.12. It can be observed that the 

resulting average RMS estimation error is larger with stronger multipath effect as 

expected. In general, the proposed DoA estimation method for CW based broadband 

signal is less robust when there is strong multipath effect. However, for applications in an 

open space – grassland, schoolyard, military base land, etc., the multipath effect is weak 

and less important. In addition, a pulse based UWB system may be used which is less 

prone to multipath fading compared to a CW based system.  

 Experimental Verification 

 

Fig. 4.13 Simulated and measured reflection coefficients of the elliptical UWB 

antenna (a) and the D-shaped UWB antenna (b). 

To verify the DoA estimation technique using a single UWB antenna 

(b) (a) 
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experimentally, the two UWB antennas are fabricated and tested. The measured return 

losses of the elliptical and D-shaped antennas using Agilent E8361A vector network 

analyzer (VNA) are plotted in Fig. 4.13. The VNA is calibrated by SOLT (short-open-

load-thru) calibration using Agilent 85052D calibration kit. The measured reflection 

coefficients have some small frequency shifts compared to the simulation, which is likely 

due to the SMA connector effects and fabrication tolerances [50].  

The experimental setup is shown in Figs. 4.2 - 4.3. Measurements are performed 

on the roof of the ECE building of the Univ. of Arizona. The transmitting antenna is a 1 - 

18 GHz ridged horn antenna (EMCO 3115). The source power is +10 dBm. The UWB 

receiver under test is placed 5.3 m away from the transmitter (in the far field zone of the 

transmitter) as shown in Fig. 4.2. The UWB antennas are placed on the positioning 

system (ORBIT/FR 442). The experiments are performed from 3 to 10 GHz (with 0.01 

GHz step) using the VNA (Agilent E8361A) to measure the transmission coefficient from 

the source to the receiver. CW frequency sweeping is applied to obtain broadband 

transmitted spectra. However, in practice the system is applicable for pulse signal with 

relatively flat amplitude spectra. The source signal can have arbitrary frequency response 

if the transmitted waveform is known at the receiver a priori. FR959 software suite is 

used to automatically control the position system to rotate from -180º to 180º with 2º step 

horizontally and at the same time control the VNA to take spectra data. The received 

spectra are measured for both UWB antennas in various planes for various polarizations. 

Two sets of amplitude spectra as a function of incident angles are measured at 

different locations as the calibration data and testing data respectively. The estimated 

incident angle in testing is calculated by finding the angle with peak correlation 
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coefficients between the tested spectrum and the pre-saved calibration spectra. When the 

incident wave is from the z direction and E field in the x direction, the peak SNR at the 

UWB receiver is approximately 10 – 15 dB. The measured spectra are distorted 

somewhat comparing to simulation which might be due to the following factors, first, the 

scattering of the feeding cable of the receiving antenna; second, the frequency dependent 

fading due to multipath effect of the environment; and last, the frequency response of the 

transmitting horn antenna. As shown in Fig. 4.3, the directly transmitted signals reaching 

the receiver are also incident onto the connected cables, potentially causing scattering and 

distorting the measured spectra. Because of the existence of the sidewalls and ground, 

there may be frequency dependent fading due to multipath effect. At last, the gain of the 

double-ridged horn antenna used in the experiment is frequency dependent throughout 

the tested band, thus has impact on the received spectra. Smoothing process, though 

cannot remove spectral distortion introduced above, can reduce uncorrelated noises like 

GWN. Smoothing is processed with 0.1-GHz span in the test. 

The estimation errors using the elliptical and the D-shaped UWB antenna are 

plotted in Figs. 4.14 - 4.15, respectively. For the elliptical antenna, as shown in Fig. 4.14, 

the measured estimation errors are less than 6°. The repeatability of this measurement is 

also verified by repeating the measurements in different days. 
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Fig. 4.14 The measured estimation errors of the elliptical UWB antenna with 

incident waves in the x-y plane (H-field in the z direction) (a), the x-z plane (H-field 

in the y direction) (b), and the y-z plane (E-field in the x direction) (c). 

As shown in Fig. 4.15, the DoA estimation errors of the D-shaped antenna are less 

than 4° for most incident angles and all cases. The large estimation errors at 0° and 180° 

in the x-y plane with H-field in the z direction (Fig. 4.15(a)), and at +/-90° in the x-z 

plane with H-field in the y direction (Fig. 4.15(b)), correspond with minimum received 

power at these angles. The elliptical antenna also has this issue. Simulation results 

successfully predict these peak estimation errors (see Figs. 4.8(b) and 4.9(a)). Other than 

those angles, the D-shaped antenna has similar estimation performance compared to the 

elliptical antenna for x-y and x-z planes. Compared to the elliptical antenna, the D-shaped 

UWB antenna has slightly better angle estimation performance for the y-z plane with E-

field in the x direction due to symmetry broken as shown in Fig. 4.15(c). In general, the 

feasibility of reasonable DoA estimation using a single UWB antenna is verified.  

(a) (b) 

(c) 
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Fig. 4.15 The measured estimation errors of the D-shaped UWB antenna with 

incident waves in the x-y plane (H-field in the z direction) (a), the x-z plane (H-field 

in the y direction) (b), and the y-z plane (E-field in the x direction) (c). 

 

For the proposed broadband DF technique, further improvement of the antenna 

design with spectra of higher angular sensitivity can help for better performance. A leaky 

wave antenna is thus investigated for its main-beam-steering property dependent on 

frequency. In addition, although the UWB band is initially used to demonstrate the idea, 

the technique itself should work at other frequency bands as well. As an example, the 

leaky-wave antenna studied here is designed to work from 2 GHz to 3.5 GHz. The leaky 

wave antenna as the receiving component is designed and then fabricated with good 

matching and reasonable radiation efficiency in the interested frequency range. By 

exploiting the incident angle dependent frequency response of the receiving antenna, the 

DoA of a broadband microwave signal can be estimated with high accuracy. The system 

is then tested using a Gaussian pulse signal as the source since the pulsed signal is less 

(a) (b) 
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prone to multipath effect compared with broadband signal generated by frequency 

sweeping. 

 Leaky Wave Antenna Design 
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Fig. 4.16 Designed microstrip leaky wave antenna. 

A microstrip leaky wave antenna working at 2 – 3.5 GHz is designed and 

modeled using the ANSYS HFSS software (version 13). The microstrip is made of 

Duroid 5880 with a line width of 9 mm and a substrate thickness of 3.41 mm as shown in 

Fig. 4.16. The substrate has a length of 200 mm and a width of 40 mm. The vias along 

one side of the microstrip form an electric wall such that the first higher order mode EH1 

is allowed to propagate and radiate from the structure. Since the antenna is a traveling 

wave antenna, a 50-ohm load is added at one end to eliminate reflection.  

Figure 4.17 shows that the simulated reflection coefficient is < -10 dB from 2 - 

3.5 GHz, which is the band of interest in the following study. Figure 4.18 plots the 

simulated received spectra with the incident angle θ from 0˚ to 90˚, the incident plane 

wave in the y-z plane, and the E field in the x direction. The spectra demonstrate 

incident–angle-dependent band pass responses in their operating frequency band as 

expected. These incident-angle-dependent frequency responses provide a cue for incident 
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angle estimation using a single antenna. The theoretical principle is addressed in greater 

depth in the next section. 

 

Fig. 4.17 Simulated reflection coefficient of the designed microstrip leaky wave 

antenna. 

  

Fig. 4.18 Simulated received spectra (in arbitrary unit) for the incident plane 

wave in the y-z plane with the E field in the x direction. Incident angle θ is from 0˚ 

to 90˚. 

 Direction Finding Analysis 

It is assumed that we have the knowledge of the antenna spectra without noise for 

all incident angles as shown in Fig. 4.18. It is also assumed in the simulation that the 

environment noise is White Gaussian Noise. Because the correlation coefficient between 
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the received spectra for incident wave from any two angles reaches a peak when the two 

angles are the same, the correlation coefficient is used to determine the incident angle. 

The cross-correlation coefficients are expressed as: 

 𝜌(𝜃 ) = 𝐶𝑜𝑟𝑟{�⃑�, �⃑�(𝜃)} =
∑ 𝑦𝑚 ∙ 𝑥𝑚(𝜃)
𝑀
𝑚=1

√∑ 𝑦𝑚2
𝑀
𝑚=1 ∙ ∑ 𝑥𝑚2 (𝜃)

𝑀
𝑚=1

 (4.4) 

where �⃑� is the received spectral magnitude at M frequencies in a Gaussian White noise 

environment when the actual incident angle is 𝜃𝑖 , and �⃑�(𝜃)  is the calibration set of 

spectra without noise at M frequencies, known as a priori, for all possible angles of 𝜃. 

Then the incident angle can be determined as the angle that has the maximum correlation 

coefficient. The estimated incident angle can be written as:  

 𝜃𝑖 = 𝑎𝑟𝑔𝑚𝑎𝑥
𝜃
 { 𝜌(𝜃) } (4.5) 

As shown in Fig. 4.19, for the case of 25 dB SNR, the spectra with noises at angle 

θ (0º ~ 90º) are highly correlated with the original spectra at the incident angles around θ 

(~ 12º width with correlation coefficient larger than 0.8). Figure 4.20 plots the Root Mean 

Square (RMS) of the estimation errors for various SNR levels (after 10,000 runs of 

Monte-Carlo simulation). The RMS errors are lower than 2º when incident angles are less 

than 60º. When the incident angle is greater than 60º, errors become larger because the 

angular dependence in this range is weaker, as can be observed in Fig. 4.18. In any case, 

effective direction finding using incident-angle-dependent spectra is demonstrated. In 

addition, if we can exchange the feed port and the 50Ω-load port of the antenna, an 

extended directional coverage from -90˚ to 90˚ can be realized. 



 

 

116 

 

Fig. 4.19 Simulated correlation coefficients vs. the steering angle for the 

incident plane wave in the y-z plane with the E field in the x direction (SNR of 25dB).  

     

Fig. 4.20 Simulated RMS error as a function of the incident angle from 0˚ to 

90˚ in the y-z plane with the E field in the x direction (after 10,000 runs of Monte-

Carlo simulation). 

 Experimental Verification 

The leaky wave antenna is fabricated as shown in Fig. 4.21(a). Figure 4.21(b) 

plots the measured reflection coefficients together with the simulation results. The 

measured reflection coefficients (using a vector network analyzer) are better than -5 dB 

in the frequency range of interest, which is reasonable compared to simulation results. 

This fabricated antenna is then used as the receiving antenna to test the proposed 



 

 

117 

wideband direction finding technique.  

 

Fig. 4.21 The top and bottom views of the fabricated leaky wave antenna (a); 

the measured and simulated antenna reflection coefficients (b). 

Figure 4.22 plots the experimental setup with all the equipment model numbers 

labeled. The transmitter part consists of an arbitrary waveform generator, an amplifier, 

and transmitting antenna. The receiver part consists of a receiving antenna (the fabricated 

leaky wave antenna) and an oscilloscope. The arbitrary waveform generator produces a 2 

- 3.5 GHz Gaussian pulse, which is firstly intensified by the broadband amplifier, then 

sent to the transmitting horn antenna, and finally radiated. The receiving antenna, which 

is placed about 2 m (far zone distance) apart from the transmitter, captures the Gaussian 

pulse and sends it to the digital oscilloscope. The time-domain waveform obtained from 

the oscilloscope is next Fourier transformed into the frequency domain for further data 

processing, as derived in equations (4.4, 4.5), to obtain the angle estimation. It is worth 

pointing out that the recorded waveform on the oscilloscope can be truncated with a 

proper time window to remove all the long-delayed reflected arrival signals in a 

multipath-rich environment. The Gaussian pulse with 1 ns pulse width and 1 µs repetition 

period generated from the arbitrary waveform generator is expressed as: 

 𝑔(𝑡) = 𝑒−𝜋𝑡
2𝜉0
2
𝑐𝑜𝑠2𝜋𝑓0𝑡 

(4.6) 
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where ξ0 ~ 1.5 times of the bandwidth, and f0 is the center frequency (2.75 GHz). 

(EMCO3115)
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Receive 
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(Designed Antenna) 
Oscilloscope

(DSO9404A)

 

Fig. 4.22 Experimental setup design with equipment model numbers labeled. 

 

Fig. 4.23 The measurement environment, (a) inside (b) outside an anechoic 

chamber. 

The measurement environment is shown in Fig. 4.23. Two sets of data, one inside 

and the other outside an anechoic chamber, are taken to test the proposed technique. The 

set of spectra taken inside the anechoic chamber with the same incident plane and 

polarization as the simulations is saved as calibration spectra. The measured calibration 

spectra as shown in Fig. 4.24 correspond well to the simulation results in Fig. 4.18. The 

test set of spectra are obtained outside the anechoic chamber with the same transmitted 

Gaussian pulse as in the calibration. The cross-correlation coefficient between the test 

spectrum outside the chamber and the previously saved calibration spectra at all angles is 

calculated according to (4.4) and plotted in Fig. 4.25. The estimated incident angle is the 

peak correlation-coefficient angle. The estimation errors can be calculated 

correspondingly. Figure 4.26 plots the measured estimation error. It can be observed that 
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the error is lower than 6º for incident angles within a 90º range, showing a reliable 

directional estimation performance. The relatively higher error when the incident angle 

approaches 90º is due to the smaller angular dependencies of the spectra, as expected 

from the simulation results. Good DoA estimation performance within a 90˚ range of the 

proposed biologically inspired technique has been demonstrated in both simulation and 

experiment. 

 

Fig. 4.24 Measured calibration spectra for the incident angle from 0˚ to 90˚ in 

the y-z plane with the E field in the x direction. 

 

Fig. 4.25 The correlation coefficient between the test spectrum outside the 

chamber and the previously saved calibration spectra at all angles.  
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Fig. 4.26 The measured estimation error for the incident angle from 0˚ to 90˚ in 

the y-z plane with the E field in the x direction. 

 

A DoA estimation technique using a single broadband antenna inspired by the 

human auditory system is investigated. Because the received spectra of the broadband 

antenna are incident-angle dependent, the DoA of a broadband signal can be estimated 

from the correlation coefficients of the measured spectra and pre-determined calibration 

spectra. An elliptical UWB antenna, an unsymmetrical D-shaped UWB antenna, and a 

leaky wave antenna are studied for the DoA estimation applications. The feasibility of the 

single antenna DoA estimation technique is demonstrated in both simulations and 

experiments. 

Compared to previous work using two antennas and MUSIC algorithm [9, 10] this 

single antenna approach has the advantages of requiring less hardware components and 

less computational intensity (no Eigenvalue calculations needed) at the expense of 

sacrificing some accuracy. This kind of biological inspired RF technique may lead to 

future novel direction finding systems that are low-cost, compact, and lightweight. 

Although with its advantages, before practical applications could be widely 
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implemented, several potential issues of this technique need to be addressed. First, our 

initial design (the elliptical antenna) indicates that good SNR is needed to obtain high 

DoA estimation accuracy using this technique due to some intrinsic symmetries of the 

antenna. Nevertheless, with an improved antenna design (D-shaped to break some of the 

symmetries), the DoA estimation performance is better compared to the elliptical UWB 

antenna under the same SNR conditions. Further improvement of the antenna design with 

higher incident-angle-dependent spectra can be achieved for better performance. Second, 

as analyzed, high transmitted power spectral distortion and strong multipath effect will 

degrade the DoA estimation performance. A pulsed broadband system may be used 

which is less prone to multipath fading compared to a CW sweeping based system. We 

have demonstrated such a pulsed DF system using a leaky wave antenna working at 2 – 

3.5 GHz. Higher degree of estimation accuracy for incident angle in 0° to 90° range is 

achieved using this leaky wave antenna, which has good spectra sensitivity and high SNR 

for all angles in the range. Finally, in our experiments, the cable scattering may affect the 

resulting spectra, while in practical applications the placement of the feeding line should 

be taken into consideration to eliminate this issue. 
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 Performance Evaluation of Luneburg Lens Based 

Wideband Direction Finding 

The direction finding system using two antennas with a lossy scatterer in between 

is relatively narrow banded because of the intrinsic phase wrapping ambiguity while the 

UWB single-antenna direction finding system can only detect wideband incident signals. 

Luneburg lens based direction finding system is a good candidate to achieve an accurate 

and wideband direction finding system. In this chapter, a wideband passive direction-

finding (DF) system utilizing Luneburg lens is investigated. A number of detectors are 

placed uniformly on the surface of the equatorial plane of the Luneburg lens. Based on 

the received signal amplitude distribution at the detectors, the direction of arrival (DoA) 

is estimated using correlation method. The root mean square errors (RMSEs) of the DoA 

estimation are calculated for various lens sizes, signal-to-noise ratios (SNRs), and 

number of detectors within the frequency band from 9 to 11 GHz. To examine the 

proposed DF system performance, the Cramér–Rao bound (CRB) on the RMSEs of the 

DoA estimation is derived and compared with the simulated RMSEs using the correlation 

method. 

 

Passive microwave direction finding (DF) is a very important technology that has 

many military and commercial applications including electronic warfare [1], mobile 

communications [2], etc. A typical microwave DF system uses an array consisting of a 

large number of antenna elements and uses differential phase, amplitude, or time for DoA 
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estimation. The two primary techniques used for DoA estimation are the amplitude-

comparison method and the phase interferometer method [72]. The phase interferometer 

system has high DoA accuracy (0.1° to 3°) but large size, complex-circuitry requirement 

for phase synchronization [72, 73]. The amplitude comparison system has the advantage 

of wide band and small size but has the disadvantage of relatively low DoA accuracy (3° 

to 10°) [72]. Thus it is attractive to have a wideband DoA estimation system that is at 

relatively smaller size but still possess high accuracy.  

A Luneburg lens [17] has the characteristic that every point on the surface of the 

lens is the focal point of a plane wave incident from the opposite side. It has the 

advantages of ultra-wide bandwidth, high gain, and multi-beam forming capability. If a 

number of detectors are mounted on the surface of the Luneburg lens, the detected 

voltage amplitude distribution is incident angle dependent. Thus, from the detected 

amplitude distribution, the DoA can be determined. This DF system can be wideband as 

long as the receiving elements are wideband. The high gain property of the Luneburg lens 

leads to high accuracy for the DoA estimation, which is due to small correlation between 

amplitude distributions for any two different incident angles. In addition, the emerging of 

3D printing technology has made the fabrication of Luneburg lens [18, 19] simple and at 

potentially lower cost. In general, a Luneburg lens based DF system [20] is advantageous 

in that it has the property of wideband, high accuracy, capability of multiple- signals DF, 

and no limit on the field of view in both azimuth and elevation. 

A proof-of-concept experimental demonstration of the Luneburg lens DF system 

has been reported in our previous work [74]. Here, the DoA-estimation performance of 

the Luneburg lens DF system using correlation method is quantitatively evaluated. The 
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lens size and the number of detectors needed to satisfy the DoA estimation accuracy 

requirement at certain signal to noise ratio (SNR) and frequency band are studied. In 

addition, to investigate the capability of the system, the Cramér–Rao bound (CRB) [52, 

53] on the root mean square errors (RMSEs) of the DoA estimation is derived.  

Here the Luneburg lens antenna is introduced first. The model of the Luneburg 

lens DF system and the correlation DoA estimation method is described next. Then the 

DoA estimation performance using the correlation method is evaluated and the impacts of 

the lens size and the number of detectors are evaluated at various SNR levels and 

frequency. Finally, the CRB on the RMSE of the DoA estimation is derived and 

compared with the simulated RMSE using the correlation method. 

 

Luneburg lens has its origin in optics and belongs to gradient index (GRIN) 

devices made of materials with continuously varying index of refraction. For a Luneburg 

lens built of non-magnetic materials, the spatial distribution of dielectric constant follows 

[17]: 

 휀𝑟(𝑟) = 2 − (𝑟/𝑅)
2 (5.1) 

where R is the radius of the lens and r is the distance from the center of the lens. Figure 

5(a) shows the structure of a 3D printable Luneburg lens of diameter of 125 mm [19]. 

The lens is composed of unit cells of dimensions 5  5  5 mm3, shown in Fig. 5.1(b). 

Each unit cell consists of a center polymer cube of dielectric constant of 2.7 and air voids 

around it. The rods connecting all the discrete polymer cubes are small that they have 

negligible impact on the EM properties of the Luneburg lens [19]. The effective dielectric 

constant of each unit cell is controlled by the filling ratio of the polymer cube of variable 
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size b3 based on effective medium theory and is distributed according to (5.1). This 125-

mm 3D printable Luneburg lens has a wide bandwidth from 8 GHz to 20 GHz [19]. The 

high frequency limit of the lens is due to the unit cell size to guarantee the validity of 

effective medium approach and the low frequency limit is determined by antenna gain 

requirement.  

For simplicity, here the Luneburg lens is fed by a 13-mm long dipole (resonance 

at 10 GHz) mounted at the surface of the lens. ANSYS HFSS is used to simulate the 

Luneburg lens with dipole feeds [75]. Simulated antenna gain of the Luneburg lens is 

plotted in Fig. 5.2. With the simple dipole feed, the gain and the half power beam width 

(HPBW) is 17 dB and 13° respectively at 10 GHz.  

               

Fig. 5.1 HFSS model of a 125-mm diameter Luneburg lens (a) and its unit cell 

for realizing the required spatial distribution of effective dielectric constant (b). 

(a) 

5mm 

b 

(b) 
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Fig. 5.2 Simulated azimuth gain patterns of the Luneburg lens with a single 

dipole feed. 

 

 

Fig. 5.3 Schematic of the Luneburg lens DF system. 

The schematic of the Luneburg lens DF system studied here is shown in Fig. 5.3. 

A number of equally spaced detectors (specifically envelope detectors with receiving 

elements such as dipoles, monopoles, and et al.) are mounted at the equator of the lens. 

Although only a single incident angle in the azimuth plane is considered here, the 

Luneburg lens DF technique can be extended for estimation of 3D DoA and multiple 
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sources. The incident angle from the azimuth plane is estimated using a correlation 

method based on amplitude-only detection at the detectors. The voltage amplitudes at M 

detectors for all possible angle 𝜙  are pre-saved as the steering vector �⃑�(𝜙) =

[𝑥1(𝜙), 𝑥2(𝜙), 𝑥3(𝜙)… , 𝑥𝑀(𝜙)]. These steering vectors for various steering angles are 

used as the calibration data. The cross-correlation coefficients between the detected 

amplitude vector �⃑� = [𝑦1, 𝑦2, 𝑦3, … , 𝑦𝑀]  for incident angle 𝜙𝑖  and the pre-saved 

calibration set of vectors are firstly calculated as: 

 𝜌(𝜙) = 𝐶𝑜𝑟𝑟(�⃑�, �⃑�(𝜙)) =
∑ 𝑦𝑚 ∙ 𝑥𝑚(𝜙)
𝑀
𝑚=1

√∑ 𝑦𝑚2
𝑀
𝑚=1 ∙ ∑ 𝑥𝑚2 (𝜙)

𝑀
𝑚=1

 (5.2) 

Then the incident angle is estimated as the angle with the peak correlation coefficient. 

The estimated angle �̂�𝑖 is expressed as: 

 �̂�𝑖 = 𝑎𝑟𝑔 𝑚𝑎𝑥
𝜙

 {𝜌(𝜙)}  (5.3) 

In the system simulation model, the voltage amplitudes at detector m is: 

 𝑦𝑚 = |𝑥𝑚𝑒
𝑗𝜓𝑚 + 𝑤𝑚| (5.4) 

where 𝑥𝑚 is the noiseless amplitude at detector m which is obtained from the simulated 

gain pattern and is constant, 𝜓𝑚  is a random phase associated to detector m, 𝑤𝑚  is 

assumed to be a zero-mean complex white Gaussian noise (CWGN) with a noise power 

of 𝜎2. The CWGN is modeled as 𝑛1 + 𝑗𝑛2 where 𝑛1 and 𝑛2 are i.i.d. (independent and 

identically distributed) White Gaussian noise with a noise power of 𝜎2/2. The maximal 

SNR among all detectors is represented as: 

 𝑆𝑁𝑅 =
max
𝑚,𝜙

|𝑥𝑚(𝜙)|
2

𝜎2
⁄  (5.5) 
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 General Case 

To evaluate the Luneburg lens antenna size effect, lenses with diameters ranging 

from 45 to 125 mm are simulated in HFSS, where gain patterns at 10 GHz are obtained. 

In these simulations, the excitation of the lens antenna is an ideal lumped-gap source (0.4 

 0.4 mm2) placed on the surface of the lens. The mutual coupling effect is ignored at 

first. The previously described correlation method with Monte-Carlo simulation using 

MATLAB [76] is applied to analyze the DoA estimation performance. The SNR is 

assumed 15 dB. Figure 5.4 plots the DoA-estimation RMSE vs the number of detectors 

on the lens of various diameters. As the number of detectors decreases, the RMSE 

increases slowly at first and after some point, it increases rapidly. The transition happens 

when the detector’s angular separation is about the beamwidth of the antenna gain 

pattern. It is observed that the beamwidth determines the optimal detector distribution 

density. It is easy to understand as when the detector density is low, not all angles are 

covered. When the detectors are dense more than enough, we will reach diminishing 

performance enhancement for gathering more information. 

In addition, in practical case, the physical size limitation and the mutual coupling 

effect also need to be considered when determining the number of detectors. As an 

example, a reasonable spacing to omit the mutual coupling effect is 3/8 ( is the 

wavelength in free space). This spacing is obtained from the observation of decreasing 

the antenna separation distance until the antenna mutual coupling starts to cross -10 dB 

level (please refer to the results in Fig. 5.6). When the arc spacing between the adjacent 

detectors is fixed to be 3/8, the number of detectors on the lens of diameter of 45 mm, 
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65 mm, 95 mm, and 125 mm are approximately 12, 18, 30, and 36 respectively. With 

these assumptions, the resulting RMSEs vs lens diameters are plotted in Fig. 5.5. It can 

be observed that in this case the RMSE decreases with increasing lens diameter and is 

approximately inverse proportional to the lens diameter. 

 

Fig. 5.4 Simulated RMSE (averaged over all azimuthal angles) vs number of 

detectors on the lens of different diameters at 15-dB SNR level. 

 

Fig. 5.5 Simulated RMSE (averaged over all azimuthal angles) vs lens 

diameter assuming detector spacing of 3/8 and 15-dB SNR level. 
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 Example of the 125-mm Luneburg Lens with Dipoles 

 

Fig. 5.6 HFSS model of the 125-mm diameter Luneburg lens with 36 dipoles 

(marked 1 to 36) (a) and corresponding S-parameters (b). 

As a more realistic example, a Luneburg lens DF system with 36 dipoles mounted 

on the 125-mm Luneburg lens is studied, as shown in Fig. 5.6(a). The dipole is resonant 

at 10 GHz and the dipole arc spacing is about 3/8𝜆 at 10 GHz. The model is simulated in 

HFSS using symmetric boundary of perfect E at the x-y plane and an impedance 

multiplier of 2 at the ports. Figure 5.6(b) plots the reflection coefficient at dipole #1 (S1,1), 

and the coupling coefficient between dipole #1 and dipole #2 (S2,1), #3 (S3,1), and #19 

(S19,1) respectively. It is worth noting that dipole #19 is on the opposite side of the lens to 

dipole #1. The coupling coefficient between two adjacent detectors is larger than that 

between the two dipoles facing each other, indicating that there is no significant blockage 

between feeding elements facing each other. Although not all are shown here, the 

simulation results reveal that the coupling coefficient between two adjacent detectors is 

the largest and smaller than -10 dB. The simulated gain patterns when exciting one of the 

36 dipoles are obtained for DoA estimation. 

Figure 5.7 plots the calculated RMSE of the DoA estimation (square marker) vs. 

incident angle at 10 GHz when there are 36 dipoles in total (10° angle interval) and the 

SNR equals 15 dB. The RMSE based on the correlation method (1000 Monte-Carlo runs) 

1 2 3 

36 

… m … 
dipole# 

(a) (b) 
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ranges from 1.05° to 1.25°. 

 

Fig. 5.7 Simulated RMSE vs. incident angle for the case of 36 detectors on the 

125-mm Luneburg lens with 15-dB SNR level at 10 GHz. 

The DoA performance of the Luneburg lens system under different SNR level is 

also studied. Figure 5.8 plots the RMSEs of the DoA estimation (square marker) using 

the correlation method (averaged over all azimuthal angles) vs. SNR for the case of 36 

dipoles at 10 GHz. For SNR ≥ 15 dB, the RMSE calculated by the correlation method 

increases slowly with decreasing SNR; while for SNR < 15 dB, it increases sharply with 

further reduced SNR. 

 
Fig. 5.8 Simulated RMSE vs. SNR (averaged over all azimuthal angles) for the 

case of 36 detectors on the 125-mm Luneburg lens at 10 GHz. 
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Fig. 5.9 Simulated RMSE using correlation method vs. number of detectors 

(averaged over all azimuthal angles) on the 125-mm Luneburg lens with 15-dB SNR 

level.  

In addition, the impact of the number of dipoles on the DoA performance of the 

Luneburg lens system is analyzed. The RMSEs of the DoA estimation using the 

correlation method (averaged over all azimuthal angles) vs. the number of dipoles at 

various frequencies are plotted in Fig. 5.9. Similar to the results in Fig. 5.4, the RMSE 

increases slowly with decreasing number of detectors first and then increases rapidly. The 

number of detectors of the turning point is about 24, where the angular spacing between 

detectors is about the antenna beamwidth. For the cases of the number of detectors ≥ 24, 

the RMSE is smaller than 3° with SNR = 15 dB and frequency from 9 to 11 GHz. These 

results correspond well with the general case in Fig. 5.4. 

 

CRB gives a lower bound on the estimation error variance. By evaluating the 

CRB, the best achievable performance of the proposed DF system based on Luneburg 

Lens can be examined. Thus, the CRB on the RMSEs of the DoA estimation for the 

system is derived as follows. With the previously described signal model in (5.4), the 
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probability density function (PDF) of the voltage amplitude at detector m, ym, assuming a 

known incident angle of 𝜙𝑖 is given by [77] (units involved in the following equations): 

 f(ym|𝜙𝑖) =
√2ym
𝜎

𝑒
−
𝑦𝑚
2 +𝑥𝑚

2 (𝜙𝑖)

𝜎2 𝐼0 (
2xm(𝜙𝑖)ym

𝜎2
) (5.6) 

which follows non-center chi distribution with order two (or Rician distribution), where 

𝐼0  is the Bessel function of second kind with order zero, 𝑥𝑚  is the noiseless voltage 

amplitude (calibration) at detector m, and  𝜎2  is the CWGN power level. Then the 

amplitude vector �⃑� has the PDF: 

 f(y⃑⃑|𝜙𝑖) = ∏ f(ym|𝜙𝑖)

𝑀

𝑚=1

 (5.7) 

Based on the CRB theory [52, 53], the estimation variance for any incident angle 𝜙𝑖 

needs to satisfy: 

 
Var(�̂�𝑖) ≥

−1

E�⃑⃑� [
∂2 ln[f(y⃑⃑|𝜙𝑖)]

∂𝜙𝑖
2 ]⁄

 
(5.8) 

where E�⃑⃑� denotes statistical expectation with respect to the amplitude vector. From (5.7, 

5.8), the CRB on the RMSE of the DoA estimation can be represented as: 

 
σ(�̂�𝑖)CRB =

√
−1

∑ E𝑦𝑚 [
∂2 ln[f(ym|𝜙𝑖)]

∂𝜙𝑖
2 ]𝑀

𝑚=1
⁄

 
(5.9) 

 The Bessel function has the property that: 

 
𝜕Iν(𝑧)

𝜕𝑧
= Iν−1(𝑧) −

ν

𝑧
Iν(z) (5.10) 

Based on (5.6, 5.10), the derivative in (5.9) can be derived and expressed as: 

 
∂2 ln[f(ym|𝜙𝑖)]

∂𝜙𝑖
2 =

2

𝜎2
(
𝐼1
𝐼0
ym − xm)

∂2xm

∂𝜙𝑖
2                               (5.11) 
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                                            + (
4

𝜎4
(1 −

𝐼1
2

𝐼0
2)𝑦𝑚

2 −
2

𝜎2
𝐼1ym
𝐼0xm

−
2

𝜎2
) (
𝜕xm
𝜕𝜙𝑖

)
2

 

By substituting (5.11) into (5.9), the CRB can be represented by Bessel functions. There 

is no close-form solution for the CRB since there is no expectation solution in (5.9). 

Sample mean using Monte-Carlo simulation instead of the theoretical expectation is used 

to obtain the CRB.  

The curve with triangle marker in Fig. 5.7 shows the calculated CRB on the 

RMSE vs. incident angle at 10 GHz when there are 36 dipoles in total and the SNR 

equals 15 dB. The calculated CRB of the RMSE is around 1.06° and periodic with a 10° 

period - the detectors’ angular spacing. The RMSE using correlation method is close to 

the CRB, indicating a good estimation for this case. The curve with triangle marker in 

Fig. 5.8 is the CRB vs. SNR (averaged over all azimuthal angles) for the case of 36 

detectors at 10GHz. For SNR ≥  15 dB, the calculated RMSE using the correlation 

method asymptotically attains the CRB while for SNR < 15 dB, it increases sharply with 

reduced SNR and significantly deviates from the CRB.  

 

In this chapter, a wideband passive DF system utilizing Luneburg lens has been 

studied. A number of detectors are mounted on the surface of the lens in the azimuth 

plane. Correlation method using amplitude-only distribution at the detectors is employed 

for the DoA estimation of an incident microwave signal. It is found that in a CWGN 

environment, the correlation method performs better under higher SNR and larger 

numbers of detectors. The number of detectors is optimal when the detectors’ angular 

spacing is about the antenna beamwidth in terms of performance and cost. The largest 
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number of detectors is limited by the antenna physical size and mutual coupling effect in 

practice. For the DF system design, the lens size and the number of detectors can be 

determined from the requirement of the accuracy for certain SNR and frequency. All the 

results are based on a single sample. And averaging based on more samples can increase 

the SNR and thus enhance the DoA performance.  

 Here only DoA in the azimuth plane of a single source is considered. However, 

this DF technique based on Luneburg lens can be extended for multiple sources and DoA 

in both azimuth and elevation planes. For dipoles as the feeding elements, the aperture 

blockage is not an issue as discussed previously in Section 5.4.2. Although dipoles are 

considered in this work for simplicity, other wider band feeding elements can also be 

used to further enhance system bandwidth. For those antennas, aperture blockage needs 

to be considered for 3D DoA applications. One will need to place all antennas on the lens 

to take into account the blockage effect and adjust the antenna distribution accordingly.  
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 RF and Ultrasound Hybrid Inventory Localization System 

A portable and reliable localization system have many valuable applications 

where GPS (Global Positioning Systems) signal is either not available or has an 

insufficient accuracy. In this chapter, an inventory localization system utilizing hybrid 

radio-frequency (RF) and ultrasound signals is proposed for its low complexity and 

compact size. At the interrogator, the range information can be acquired from the time of 

arrival (ToA) of an ultrasound from a tagged inventory. The direction of the tag respect to 

the interrogator can be estimated by employing the previously introduced RF direction 

finding (DF) techniques in Chapter 2, Chapter 3, and Chapter 4. By incorporating the 

distance (obtained from ultrasound) and the direction information (obtained from the RF 

antennas), the position of any tagged inventory can be estimated. As a proof of concept, 

the prototyping technology is experimentally demonstrated with commercially available 

RF and ultrasound modules and the two Planar Inverted F Antennas (PIFAs) discussed in 

Chapter 2. 

 

Inventory localization is desirable since some important items that we lost or just 

couldn’t find bother us much, for example a book, a laptop, a package, or even a sheep. 

Global positioning systems (GPSs) are popular in outdoor real-time localization scenario 

[22]. However, the accuracy of a GPS may not be sufficient for inventory localization 

applications, which in turn encourages the creation of various new techniques. These 

techniques include ultrasound [78], RFID [79, 80], UWB [81], infrared LED [82], laser 
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[83], etc. In this chapter, both RF and ultrasound signals are used to acquire real-time 

range and direction information. Compared to other positioning approaches, the proposed 

technique has the advantages of low complexity and compact size. 

For the proposed positioning system, the tag on a target consist of an ultrasound 

transmitter and an RF transmitter & receiver. The interrogator consists of an ultrasound 

receiver and an RF transmitter & receiver. Once an RF signal is sent out from the 

interrogator, the tag on a target would respond with an ultrasound and an RF signal. From 

the time difference between the ultrasound arrival at the interrogator and the RF signal 

departure from the interrogator, the distance between the tag and the interrogator is 

calculated. From the magnitude and phase difference [10, 63] or incident-angle-

dependent spectra [15, 16] at the RF receivers at the interrogator, the direction of the tag 

respect to the interrogator is estimated. As a simple demonstration of this technique, the 

direction of arrival (DoA), in this work, is estimated from the phase difference of the 

received signals between two low-profile PIFA antennas [84]. The position of the tagged 

item can be estimated incorporating the distance and the direction information. 

 

A schematic of the proposed inventory localization system is shown in Fig. 6.1. A 

tag is attached to any object or people whose location is to be detected. An interrogator 

sends out a localization request signal. After the tag receives the localization request, it 

sends out both RF and ultrasound signals. Once the ultrasound arrives at the interrogator, 

the time difference between the recorded ultrasound-arrival and RF-departure time is 

used for range detection. The time difference consists of the RF and ultrasound travelling 

time over the air and a process time. The RF travelling time is at a nanosecond level, 
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which is much shorter than that of the ultrasound, and is ignored. The process time can be 

calibrated beforehand by measuring a known distance. RF DF techniques using two 

antennas or a single antenna based on magnitude, phase, or spectra information can be 

applied for the DoA estimation. The tag can then be localized using the distance and DoA 

information. Both the tag and the interrogator require an RF module, an ultrasound 

module, and a microcontroller to control the modules. Besides, the interrogator should 

also have a DoA estimation antenna system, a data acquisition unit, and a data processing 

unit.  

InterrogatorTag

RF

ultrasound

RF

Localization 

Request

Where is the tag?

Distance estimation 

from ultrasound ToA

DoA estimation 

from RF DF tech

1

2

 

Fig. 6.1 The schematic of the inventory localization system. 

 

As a proof of concept, commercially available RF and ultrasound devices have 

been selected to verify the proposed concept. Also, our previously designed two low-

profile PIFA antennas working at 2.4 GHz with a phase difference cue are used as the 

DoA estimation system [84]. The tag consists of a Digi® XBee pro S2 RF module with 

50-mW RF transmitting power, an HC-SR04 ultrasound sensor at 40 KHz, and an 

Arduino Duemilanove microcontroller unit (MCU). The interrogator consists of one 

Digi® XBee S2 RF module of 2-mW RF power, one HC-SR04 ultrasound sensor, one 

http://www.googleadservices.com/pagead/aclk?sa=L&ai=DChcSEwi0-t_VkezOAhXTWYYKHcaBAj0YABAA&ohost=www.google.com&cid=CAASJORoSxbwb0cfPyhi-6a8HwijxAY4xkjHdKbJ4ZTakozVLndcJQ&sig=AOD64_16QDqc81i0nT_IclvZYvP9NDytDQ&q=&ved=0ahUKEwi3kd3VkezOAhXHrB4KHVqRBLkQ0QwIHA&adurl=
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Arduino Duemilanove MCU, two PIFAs, one Agilent DSO9404A oscilloscope for RF 

data acquisition and one personal computer (PC) for signal processing and localization 

display. The RF modules communicate through an ISM (industrial, scientific and medical) 

band (2.4-GHz band). 

The Arduino MCU controls the RF and ultrasound modules for range detection. It 

needs a supply power through the DC power jack or the USB connector [85]. The 

connections between devices are shown in Fig. 6.2. The GND pins are connected all 

together. The VCC pins of the RF and ultrasound modules are connected to a 3.3-V and 

5-V DC output pin of the Arduino MCU respectively. The data input and output pins of 

the XBee RF module are connected to two digital pins of the Arduino MCU for serial 

communication between the Arduino and the XBee. The Trig and Echo pins of the 

ultrasound sensor are connected to another two digital pins of the Arduino MCU. When 

the MCU supplies the Trig pin a 10-μs pulse, the ultrasound sensor starts transmitting an 

ultrasound burst at 40 KHz. The Echo pin, at a low voltage level when idle, will become 

high when the sensor starts transmitting and become low again when an ultrasound signal 

is detected at the sensor. The pulse width from the Echo pin can be calculated by the 

MCU for range estimation. 
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HC-SR04

Arduino

 

Fig. 6.2 Connection of the Ariduino MCU, the xbee RF module, and the HC-

SR04 ultrasound module. 

The process of the entire system as shown in Fig. 6.3 is described in the following. 

Critical timings are marked in Fig. 6.4. The PC sends a start-interrogation command to 

the MCU at the interrogator. The MCU provides the Trig pin of the ultrasound sensor a 

10-μs pulse (at time T1). The voltage level of the Echo pin then rises (T2). The MCU also 

mandates the XBee to emit a localization-request RF signal (T3). At the tag, once the 

XBee detects the RF signal (T4), the MCU provides the Trig pin of the ultrasound sensor 

a 10-μs pulse (T5). The ultrasound sensor starts to emit an ultrasound and the voltage 

level of its Echo pin rises (T6). The MCU also requests the XBee to transmit an RF signal 

for DoA estimation. At the interrogator, once the ultrasound sensor detects the ultrasound 

signal, the voltage level of the Echo pin falls (T7) and the pulse width (T7-T2) is calculated 

by the MCU and sent to the PC. The PC sends a data-acquisition command to the 

oscilloscope. The oscilloscope samples the waveforms received at the two PIFA antennas 

and sends the data back to the PC. The phase difference of the two PIFAs is then 
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calculated. Further signal processing at the PC using MATLABTM is conducted to obtain 

the location information. The Arduino MCU at the tag is pre-programmed to repeat the 

described process and the MCU at the interrogator is programmed to start the 

interrogation process whenever it receives the start command from the PC. 

RF 

module
MCU

Ultrasound 

module

Two 

PIFAs 

Oscilloscope PC

RF 

module
MCU

Ultrasound 

module

Tag

Interrogator

XBee pro S2 

Arduino Duemilanove 

HC-SR04

XBee S2 

 

Fig. 6.3 Block diagram of the proof of concept system demonstration. 
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Fig. 6.4 Timing diagram of the hybrid RF and ultrasound localization, 

including the Trig and Echo pins of the ultrasound sensors and RF transmitted and 

received signals of the XBees at the tag and interrogator. 
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The direction of the tag respect to the interrogator can be estimated using 

maximum likelihood method. The estimated incident angle ϕ̂𝑖 is expressed as: 

 ϕ̂𝑖 = arg𝑚𝑖𝑛
𝜙

{|𝜓 − Ψ(𝜙)|} (6.1) 

where 𝜓  represents the measured phase difference of the signals received at the two 

PIFAs at an incident angle of 𝜙𝑖 and Ψ represents the calibration set of phase difference, 

known a priori, for steering angles of 𝜙.  

The measured time difference equals 𝑇7–𝑇2 . However, the actual ultrasound 

travelling time should be 𝑇7 –𝑇6. Since speed of light (3×108 m/s) is much greater than 

the speed of sound (340 m/s), the RF travelling time (𝑇4–𝑇3) can be ignored. The process 

time delays (𝑇6 –𝑇4) and (𝑇3 –𝑇2) should have an accuracy level of microseconds. Thus, 

the introduced distance deviation is small, within centimeters. With a known distance, the 

process-time delay other than the ultrasound travelling time can be calculated and then 

used for calibration. The distance between the tag and the interrogator is given by: 

 �̂� = 𝑣 × (𝑇7 − 𝑇2 − 𝑇𝑐𝑎𝑙𝑖𝑏𝑟𝑎𝑡𝑒𝑑) (6.2), 

where v is the speed of the ultrasound which is approximately 340 m/s.  

Finally, the estimated position of the tag is described in the polar 

coordination (�̂�, ϕ̂𝑖). The root mean square (RMS) error of the estimated position is also 

calculated. 

 

The assembled RF-ultrasound-MCU units for the tag and the interrogator are 

shown in Fig. 6.5(a). The PIFA antennas and the coordination used in the test are shown 
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in Fig. 6.5(b). The measurement setup is shown in Fig. 6.6. The measurement is 

conducted in an anechoic chamber. Both the tag and interrogator are placed on a support 

tower (1.6-m high). The distance between the interrogator and the tag is 2.21 m (in the 

far-field zone). In the measurement, the signal to noise ratio (SNR) of the RF signal is 

about 20~29 dB. Two ports of the oscilloscope are connected to the two PIFAs. The 

PIFAs are rotated from −90° to 70° with a 10° step. The PC saves the data of the time 

difference from the MCU and the received waveforms at the PIFAs from the oscilloscope 

after each rotation. The range is calibrated by the measured distance when the ultrasound 

sensors of the tag and the interrogator has a distance of zero. The calibration set of phase 

difference data of the PIFAs are measured first for all angles from −90° to 70°. Next, for 

each incident angle, the phase difference of the received signals at the PIFAs is tested on 

a different day. The angle of the tag respect to the interrogator is calculated according to 

(6.1).  

 

Fig. 6.5 The assembled RF-ultrasound-MCU units for the tag and the 

interrogator (a), the PIFA antenna with coordination marked (b). 
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Fig. 6.6 Measurement setup of the tag (a), the interrogator (b), and the signal 

collector and processor (oscilloscope and laptop) of the interrogator (c). 

The estimated location vs. the real 2-D position is compared in Fig. 6.7 with 5 sets 

of test data. The distance estimation error is within +/- 0.5 m because the zigbee protocol 

used in the XBee (the XBee is always updating routes and checking for network 

connectivity) is complex such that the timing is not precisely repeatable. However, if 

other simpler protocol such as 802.15.4 is used [86], the distance estimation accuracy 

would be much improved because the processing time uncertainty is usually within 

microseconds. The range-finding capability of the RF-ultrasound-MCU unit is greater 

than 12 m. When the distance between the tag and the interrogator is larger than 2.5 m, 

the received RF signal is not sufficient to get accurate direction estimation. The 

corresponding RMS error of the positioning is plotted in Fig. 6.8. The RMS error of the 

positioning is less than 0.32 m. 

 

Fig. 6.7 2-D real position (𝒓, 𝜽) vs. estimated location(�̂�, �̂�) (measured 5 times). 
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Fig. 6.8 Location estimation root mean square (RMS) error. 

 

In this chapter, a portable localization system utilizing RF and ultrasound signals 

has been studied. By incorporating the distance (obtained from the ultrasound) and the 

direction information (obtained from the RF), the position can be estimated. As a proof of 

concept, commercially available RF and ultrasound devices have been selected to 

demonstrate our prototyping technology. The 2-D position finding performance has been 

demonstrated through measurement. The range estimation error is within +/- 0.5 m. The 

range accuracy of this system can be much improved if the protocol of the RF modules 

have predictable timing. The RMS error of the estimated location is smaller than 0.32 m. 

The positioning technique that is simple and can be compact is verified though the 

experiment. This technique can potentially be extended to a 3-D localization application 

as long as a 3-D directional estimation capability is enabled with a specially designed 

scatterer in between the two PIFAs. 
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 3D Printable Multilayer Phased Array Integrated System 

In this chapter, a 3D-printable multilayer phased array system is designed to 

demonstrate the applicability of additive manufacturing technique for RF systems. 

Printing process incorporating thermal wire-mesh embedding method for conductors and 

thermoplastic extrusion technique for dielectrics is employed. The designed phased array, 

working at 3.5 GHz, consists of three functional layers: a 1-to-4 Wilkinson divider at the 

bottom, a phase shift layer with embedded voltage-controlled phase shifters at the center, 

and patch antennas at the top. The vertical transitions between adjacent layers are 

designed to reduce the loss between layers. Simulated results show good impedance 

matching and high-directive scanning beams. Standalone parts of the proposed multilayer 

phased array are printed to verify the integrated dielectric-conductor printing process at 

room temperature. 

 

Phased array systems are commonly used for high gain antennas and provide 

electronic beam steering for communication and sensing applications. A phased array 

usually consists of many RF components including feed networks, radiating elements, 

and active devices such as phase shifters, amplifiers and switches. To reduce system 

footprint or increase functionality while keeping a compact size, multilayer structure that 

can fully utilize the 3D space is often used [87]. The conventional fabrication method for 

multilayer structure is usually complicated, with high cost or needs high-temperature 
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firing which may damage the embedded components [87-89]. The challenge is how to 

manufacture a low-cost, compact, and reliable multilayer phased array integrated system.  

Additive manufacturing (AM), or often-referred to as 3D printing, has been 

argued to be the future of manufacturing as it offers huge potentials to revolutionize both 

the design and manufacturing procedures. Contrary to the conventional manufacturing 

that builds a product by subtracting parts from a larger piece of material, 3D printing 

technique allows 3D objects with arbitrary geometry to be printed automatically layer by 

layer from bottom to top. Three-D printing technology enables the realization of 

complicated geometry such as 3-D conformal shapes [23-29], gradient index structures 

[30, 31], and more flexible design [32, 33]. In addition, directly 3D printed components 

and systems may eliminate conventional packaging and assembling processes so that cost 

is reduced. Three-D printing technology is thus a potentially promising technique to 

manufacture RF components and systems. 

 To realize a multilayer phased array using 3D printing, both dielectrics and 

conductors, as well as active devices need to be incorporated into the printing process. 

Conductive ink/paste is commonly utilized for the conductive part printing [35-38]. 

However, without high-temperature sintering process, the conductivity of the ink is much 

lower than regular conductors [35, 37, 38], thus increasing loss and decreasing system 

efficiency. The high-temperature sintering process can increase the conductivity [36] but 

may induce deformation or damage of the dielectric substrate and prevent potential 

integration of active semiconductor devices. A novel 3D printing technique in fabricating 

functional RF components at room temperature but still maintaining good 

electromagnetic performance has been demonstrated in [39-41]. The dielectric substrate 
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part is printed using thermoplastic material extrusion method [42]. The conductive part is 

printed using an ultrasonically/thermally embedded wire mesh structure, which avoids 

the commonly required annealing process at high temperature but still works as good as 

the regular metal sheet at microwave frequency [39, 41]. This wire-mesh embedding 

technique is compatible with thermoplastic extrusion process and enables embedding 

semiconductor devices that are sensitive to temperature. Seamless integration of these 

two techniques allows robust and flexible RF components and potential RF systems to be 

built automatically. In this work, a multilayer phased array system is proposed based on 

the hybrid printing techniques combining dielectrics and conductors for RF system 

integration [90, 91]. The design of the phased array including each layer and transitions 

between layers is described in detail. In addition, all critical parts of the multilayer phased 

array are experimentally tested and compared with the design simulations. 

 

The multilayer phased array (operating at 3.5 GHz) fed by a coaxial SMA 

(SubMiniature version A) connector from the bottom is designed as shown in Fig. 7.1. It 

consists of three functional layers: a 1-to-4 Wilkinson power divider in stripline form at 

the bottom, four voltage-controlled phase shifters including DC bias lines mounted on 

grounded coplanar waveguides (GCPWs) at the middle, and four probe-fed patch 

antennas working at 3.5 GHz at the top. Good isolation between functional layers is 

achieved by inserting a ground between the adjacent layers. The vertical transitions from 

the coaxial connector to the stripline and the stripline to the GCPW are tuned to reduce 

the transmission loss between layers. Some through-substrate vias connecting grounds 
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are added to ensure that only the desired mode is supported in the frequency band of 

interest.  

 

 

Fig. 7.1 Geometry of the designed 3D printable multilayer phased array: 

whole view (a) and front view (b). 

The metallic part of the multilayer phased array structure will be realized using 

thermal wire mesh embedding [41] and the dielectric part will be printed using 

thermoplastic extrusion technique [42]. In the design model, the metallic layers of the 

phased array system are made of copper with a thickness of 0.1 mm. The substrate layers 

are made of thermoplastic with a dielectric constant of 2.7 and a loss tangent of 0.005. 

The extrusion printing method has a typical resolution in thickness about 0.1 - 0.4 mm. 

Therefore, the substrate layers should be thick enough to make sure that the fabrication 

error will not influence the performance much. To have good fabrication error tolerance, 

the system is designed to have a substrate layer thickness of at least 3 mm. The details 
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about the design of the relevant parts of the phased array system from top to bottom and 

the transitions between layers are described as follows. All models are built and 

simulated using ANSYS HFSS software [92]. 

 Patch Antenna Design 

The geometry of the designed patch antenna working at 3.5 GHz, with critical 

dimensions labeled, is shown in Fig. 7.2. The patch antenna is fed from the lower layer 

GCPW using probe feeding, which is realized by a signal via connecting the patch and 

the signal trace of the GCPW, and ground vias connecting grounds of the patch and the 

GCPW (see Fig. 7.2(c)). The patch antenna has a size of 23.36 × 31.07 mm2 and a 

substrate thickness of 3 mm to work at 3.5 GHz. Its ground size is 85 × 60 mm2. The 

GCPW has a signal trace width of 4.3 mm, a gap width of 1 mm, and a total substrate 

thickness of 12 mm to have a characteristic impedance of 50 . The attenuation of the 

GCPW caused by material loss (including conductor and dielectric losses) is at the level 

of 3.13 dB/m at 3.5 GHz. Four such patch antennas are separated 45 mm apart, 

approximately half wavelength, to form a patch antenna array. Figure 7.3(a) shows the 

simulated reflection coefficients of the four patch antennas in the array from 3.3 to 3.7 

GHz. The reflection coefficient of each element is smaller than -10 dB from 3.44 to 3.56 

GHz. Figure 7.3(b) shows that the array gain when all antennas are excited with equal 

phase is 11.55 dB, which is approximately 5.33 dB greater than the antenna gain of the 

single patch. The array gain increase is less than the expected 6 dB, due to the mutual 

coupling between antennas. The patch array radiation efficiency is 92.2% with equally 

phased excitation at all antennas (radiation efficiency without conductor loss is 92.5%).  
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Fig. 7.2 Geometry of the patch antenna element: whole view (a), enlarged top 

view (b), and front view (c). 

 

Fig. 7.3 Simulated reflection coefficients (a); array gain when all excitations 

are equally phased compared with single patch antenna gain at the y-z plane at 3.5 

GHz (b). 

 

 

 (a)  (b) 
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 Phase-Shift Layer Design 

For the phase-shift layer in the middle, there is a voltage-controlled phase shifter 

embedded in the GCPW. A commercially available phase shifter chip – HMC928LP5E 

(working frequency 2 – 4 GHz, bias voltage range 0 – 13 V, and phase voltage sensitivity 

35 deg/V) [93] is mounted on an RT/Duroid 5880 board of a 31-mil thickness as shown 

in Fig. 7.4(a) first. Then the phase shifter board is embedded into a pre-designed pocket 

in the GCPW. The phase shifter chip has input and output RF pins connected to the signal 

trace of the GCPW and ground pins connected to the grounds of the GCPW. Ground vias 

are added along two sides of the GCPW to suppress parasitic modes. The corresponding 

geometry of the phase shifter configuration is shown in Figs. 7.4(b) and 7.4(c). The 

thickness of the two substrate layers is 6 mm each. The detailed dimensions are labeled in 

the figures. 

 

 

Fig. 7.4 Schematic of the phase shifter board (a); Geometry of the GCPW 

with embedded phase shifter board: top view (b) and front view (c). 
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Fig. 7.5 Schematic of port definition for component insertion on GCPW in 

ANSYS HFSS: cross sectional view of a GCPW with a gap-source excitation (a), top 

view of a GCPW with waveport excitation (b), top view of a GCPW with side-gap 

excitation (c). 

 

Fig. 7.6 Enlarged top view of the GCPW, with ports defined, in ANSYS HFSS 

(a), setup in ANSYS DESIGNER including imported GCPW model from HFSS and 

the s2p file of the phase shifter chip (b). 

From the S-parameters of the phase shifter chip under various bias voltages, the 

performance of the GCPW structure with embedded phase shifter is evaluated using EM-

circuit co-simulation in ANSYS Designer software [94]. A simulation of the GCPW in 

HFSS is called first. Ports should be defined at the RF connection between the GCPW 

and the phase shifter. There are three commonly used port definition for GCPW structure 

as shown in Fig. 7.5 with ground and signal traces of the GCPW labeled. One option is to 

connect the side grounds of GCPW together and assign port to a rectangle connecting the 

signal trace to the joined ground. Another option is to cut the GCPW where a component 

is to be placed and assign a wave port at the cross-section of the cut. The third option is to 
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define ports at the side gap that connects the signal trace to both the side grounds of the 

GCPW. The third option fits our case best in terms of not interrupting the GCPW 

structure and is thus chosen. As shown in Fig. 7.6(a), six ports are defined on the GCPW 

with port numbers labeled. In DESIGNER, the GCPW model have its port 1 and 2 

connecting to RF terminals and port 3 and 5 connecting to a two-port network defined by 

the s2p file of the phase shifter chip (refer to Fig. 7.6(b)). The simulation results of the 

GCPW in HFSS can be imported to DESIGNER for EM-circuit co-simulation. The 

reflection and transmission coefficients of the phase shifter structure can then be obtained 

from the co-simulation. 

 

Fig. 7.7 Simulated input (a) and output (b) reflection coefficients at various 

bias voltages of the GCPW structure with embedded phase shifter. 

The input and output reflection coefficients at bias voltages of 3, 6, 9, 13 V are 

plotted in Fig. 7.7(a) and Fig. 7.7(b). The transmission coefficients are plotted in Fig. 

7.8(a). Good reflection coefficients and insertion loss of 3 – 6 dB from 2 to 4 GHz are 

observed. Figure 7.8(b) plots the phase shift vs. bias voltage, normalized by the phase 

shift at the 0-V bias voltage. An average phase-voltage sensitivity of 35 deg/V is 

observed as expected. 

(a) (b) 
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Fig. 7.8 Simulated transmission coefficients (a) and normalized phase shift vs. 

bias voltage at 3.5 GHz (b) of the GCPW structure with embedded phase shifter. 

 1-to-4 Wilkinson Power Divider Design 

The 1-to-4 power divider is constructed with cascaded 1-to-2 Wilkinson power 

dividers in stripline form as shown in Fig. 7.9. The stripline has a width of 4 mm and a 

total substrate thickness of 6 mm to have a 50-Ω characteristic impedance. The divided 

stripline branches at the transition have a width of 2 mm to achieve a characteristic 

impedance of 50√2Ω. Detailed dimensions are labeled in Fig. 7.9. The attenuation of the 

50-Ω stripline at 3.5 GHz is 2.88 dB/m due to material loss. Figure 7.10 plots the 

simulated reflection and transmission coefficients. The reflection coefficients for all ports 

are smaller than -10 dB from 3.2 to 3.8 GHz. The transmission coefficients from port 5 

(input port) to all other four ports (output ports) are around -6.5 dB. The 0.5 dB loss 

compared to an ideal 1-4 power divider is due to material loss.  

(a) (b) 
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Fig. 7.9 Schematic of the 1:4 Wilkinson power divider. 

 

Fig. 7.10 Simulated reflection (a) and transmission (b) coefficients of the 

Wilkinson power divider. 

 Coaxial Probe to Stripline Transition Design 

The Wilkinson power divider made of stripline is fed by a coaxial probe vertically 

at the bottom. Figure 7.11(a) shows the schematic of the vertical transition from the 

coaxial connector to the stripline. The coaxial connector is vertically transited to a CPW 

first, and then the CPW is transited to the stripline on the same layer. The coaxial 

connector is an SMA connector with an extended center pin that contacts the signal trace 

of the CPW. The CPW dimension is tuned to reduce the insertion loss of the transition. 

Grounded vias are added along the CPW to provide RF shielding and to suppress 

unwanted modes. The detailed dimensions are labeled in Figs. 7.11(a) - 7.11(c). Figure 

100 Ω, 1.5 x 3 mm2

2 mm

4 mm

20 mm

45 mm

15.2 mm

12.6 mm

12 mm

20.2 mm
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7.12 shows that the vertical transition has simulated reflection coefficients < -19 dB and 

insertion losses < 0.2 dB in the frequency band of interest. 

 

 

 

Fig. 7.11 Schematic of the coaxial connector to stripline transition: whole view 

(a), enlarged top view (b), and front view (c). 

 

Fig. 7.12 Simulated reflection (a) and transmission (b) coefficients of the SMA-

to-stripline transition. 

 

 

(a) (b) 
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 Stripline (Bottom Layer) to GCPW (Middle Layer) Interconnect Design 

Figures 7.13(a) and 7.13(b) show the schematic of the stripline to the GCPW 

interconnect between the Wilkinson power divider (bottom layer) and the phase shifter 

(middle layer). The stripline on the bottom layer is transitioned to a CPW on the same 

layer first, then to the GCPW on the middle layer of the array system. These two layers 

are connected using signal vias connecting the signal traces of the transition CPW and the 

GCPW. As shown in Fig. 11(b), grounding vias connecting all grounds among layers are 

also added and tuned to suppress parasitic modes and reduce the insertion loss of the 

transition. Figure 7.13(c) is the cross-sectional view of the stripline-to-GCPW transition 

with the thicknesses of the substrate layers labeled. Figures 7.14(a) and 7.14(b) plot the 

simulated reflection coefficients (< -18 dB) and insertion losses (< 0.24 dB) in the 

frequency band of interest. 

 

Fig. 7.13 Schematic of the metallic layers (a), the whole (b) and cross sectional 

(c) views of the stripline-to-GCPW interconnect. 
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Fig. 7.14 Simulated reflection (a) and transmission (b) coefficients of the 

stripline-to-GCPW interconnect. 

 Multilayer Phased Array System Performance 

The performance of the entire phased array system (Fig. 7.1) is simuated. The S-

parameters of the phase shifter chip under various bias voltages are included in the 

simulation. The array system shows a beam scanning range of +/-40° in the y-z plane 

(with respect to the z direction) which is reasonable for the 4–element array. The bias 

voltages of the four phase shifters are set to be all 6 V; 5.5, 6.5, 7.5, 8.5 V; 4, 6, 8, 10 V; 

4, 7, 10.5, 2.5 V; and 2, 5.5, 10, 3 V for scan angle of 0°, 10°, 20°, 30°, and 40°, 

respectively. It can be seen in Fig. 7.15 that the array system has simulated reflection 

coefficients < -10 dB from 3.43 to 3.56 GHz and high directive beams (directivity 11.5 – 

12.5 dB) at 3.5 GHz for various scan angles. The array has a radiation efficiency of ~77% 

at scan angle of 0° at 3.5 GHz. 

(a) (b) 
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Fig. 7.15 Simulated reflection coefficients of the phased array system from 3 to 

4 GHz (a) and scanning directivities at 3.5 GHz (b). 

 

Individual parts of the multilayer phased array, including the 1-to-4 Wilkinson 

power divider, the GCPW with embedded phase shifter and the probe-fed patch antenna, 

are printed to verify the proposed concept. The printing process is completed using a 

multiple-pause build sequence with the flow diagram shown in Fig. 7.16. A Stratasys 

Fortus 400mc material extrusion 3D printer with polycarbonate (PC) thermoplastic is 

employed to print the substrate. The Fortus 400mc is outfitted with a T16 printing tip to 

produce a printed raster of width and height of 254 μm. At the pause, the printed part is 

translocated for the addition of through-substrate vias, mounting of components such as 

resistors and phase shifters, and submerging of a metallic layer into the thermoplastic, 

whenever necessary. The through-substrate vias are realized using wire-mesh strips. 

Some pre-defined air holes surrounding the vias is used to reserve some space for 

soldering (at least 3 mm). An illustration of the air holes and vias from a printed sample 

is shown in Fig. 7.17. The metallic layer is submerged using the thermal wire-mesh 

 
(a) 

 
(b) 
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embedding method [41]. The procedure is to heat a wire mesh (0.1 mm wire diameter and 

0.25 mm wire spacing) of a desired pattern using a resistance heater and at the same time 

press it into the thermoplastic. After all necessary processes at the pause, the printed part 

is re-registered on the build plate of the 3D printer. The build is resumed to print the 

subsequent substrate layer on top of the part. The additive process is repeated until the 

entire structure is finished. The whole printing and embedding process can be automated 

[95]. For each individual part, the manufacturing time is 2 to 5 hours and the cost is about 

50 to 80 dollars. 
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Fig. 7.16 Flow diagram of 3D printing process of electromagnetic integrated 

systems. 
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Fig. 7.17 Image of a printed sample with illustration of the pre-reserved air 

holes and through-substrate vias realized by wire-mesh strips. 

 Phase Shifter Chip Functionality Verification 

The functionality of the phase shifter chip is verified before any printing is started. 

For experimental verification, the chip is mounted on an RT/Duroid 5880 board with a 

31-mil thickness. The layout of the board and the fabricated structure under test are 

shown in Fig. 7.18(a) and Fig. 7.18(b). An Agilent E8361A vector network analyzer 

(VNA) and an 85052D calibration kit are used to measure the S-parameters. A short-

open-load-thru (SOLT) two-port calibration method is employed first. However, the 

measured insertion loss of the phase shifter has ripples observed. It turns out that a “flush” 

(zero-length or mate-able) through should be used for SOLT calibration. Nevertheless, 

the connectors of the device under test are of the same gender. An adaptor for changing 

the sex of the test port should be included in the "through" calibration step. A short-open-

load-reciprocal-thru (SOLR) calibration should be employed instead, which applies an 

unknown through calibration. The unknown through standard is required to have 

reciprocity property, an insertion loss within 40 dB, and an insertion phase < a quarter 

wavelength of the highest test frequency [96]. As an example, a 15-cm long coaxial cable 

as shown in Fig. 7.19(a) is tested for three scenarios: Fieldfox N9923A VNA with SOLR 

calibration, Agilent E8361A VNA with SOLR calibration, and Agilent E8361A VNA 
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with SOLT calibration. The measured insertion losses are close and smooth for the two 

cases using SOLR calibration while there are ripples on the measured insertion loss for 

the case using SOLT calibration as shown in Fig. 7.19(b). The measured transmission 

coefficients of the phase shifter structure at various bias voltages using the VNA with 

SOLR calibration are shown in Fig. 7.20. They correspond well with those from the 

datasheet of the phase shifter chip. 

 

Fig. 7.18 layout of the GCPW made of Duroid 5880 of 31-mil thickness (a), 

fabricated GCPW with the phase shifter chip mounted (b). 

 

Fig. 7.19 setup of a coaxial cable as the device under test (a), measured 

insertion loss for three scenarios: Fieldfox N9923A VNA with SOLR calibration, 

Agilent E8361A VNA with SOLR calibration, and Agilent E8361A VNA with SOLT 

calibration. 
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Fig. 7.20 Measured transmission coefficients of the phase shifter structure in 

Duroid 5880 of a 31-mil thickness at various bias voltages. 

 Wilkinson Power Divider 

The 1-4 Wilkinson power divider to be printed is fed by a vertically mounted 

SMA from the bottom (refer to designs in Figs. 7.9 and 7.1). For testing purpose, four 

horizontally mounted SMAs at the output are also added. Figure 7.21(a) shows an image 

of the printed power divider without the upper substrate layer and top ground layer. 

Figures 7.21(b) and 7.21(c) show the top and bottom views of the completed divider with 

SMA connectors. The measured thickness of the upper and lower substrate layers are 3.4 

mm and 3.7 mm respectively, instead of the designed 3 mm for both. The printing error 

in thickness is mainly due to the re-registering process in the vertical dimension. The S–

parameters of the power divider are measured using an Agilent E8361A VNA. Good 

reflection coefficient performance is observed. The comparison of the measured and 

simulated transmission coefficients is shown in Fig. 7.22. It can be seen that the power 

divider exhibits 0.9 - 2.9 dB more measured insertion loss than expected from the 

simulation, and the measured loss have discrepancies among ports. The main issues come 

from potential contact problems at the SMA-to-stripline and stripline-to-SMA transitions, 
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and ground and via contacts. For example, the substrate is made of PC which has a 

melting temperature around 155 °C. When soldering the SMA connector to the stripline 

made of copper wire mesh using a soldering iron, the substrate underneath the wire mesh 

is easily melted at the soldering temperature. Thus, the wire mesh will be soaked in the 

melted substrate, leading to weak contact between the SMA connector and the stripline. 

Therefore, more radiation loss will be introduced. A snapshot of this issue is shown in 

Fig. 7.23. In addition, reliable connection between the grounds and the ground vias can 

be challenging. This may result in the appearance of some undesired propagation modes, 

causing excess insertion loss. This issue can be solved by use low-temperature soldering 

or using copper foil instead of mesh for realizing the metal part. 

 

Fig. 7.21 Image of the printed 1-4 Wilkinson power divider: without the top 

substrate and ground (a), top view (b) and bottom view (c) of the completed divider 

with SMA connectors. 
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Fig. 7.22 Comparison of the simulated and measured transmission coefficients 

of the Wilkinson power divider. 

 

Fig. 7.23 A photo showing that underneath thermoplastic penetrates a heated 

wire mesh during via soldering. 

As a verification of some of the above loss-factors discussed, a modified power 

divider model with a non-ideal contact between the bottom SMA and the stripline is 

simulated. The contact area between the center pin of the vertically mounted SMA and 

the signal trace of the stripline is reduced. At the same time, the dielectric constant of the 

substrate is modified as 2.4 to include non-ideal filling of the printing material, where the 

variation will cause frequency offset. The substrate thickness, which will impact the 

stripline impedance, is changed according to the measured values. As shown in Fig. 7.24, 

the modified model has higher loss than the previous model and is closer to the 

measurement.  
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Fig. 7.24 Simulated transmission coefficients of a modified power divider model 

and measured transmission coefficients. 

 Phase Shifter Structure 

The phase shifter structure based on the design in Fig. 7.4 is also printed. Figure 

7.25(a) shows an image of the printed GCPW structure, incorporating a phase shifter, 

without the upper-layer substrate and top-layer ground plane. An HMC928LP5E phase 

shifter chip is mounted on an RT/Duroid 5880 board of a 31-mil thickness. Then the 

board is inserted into a pre-designed pocket in the GCPW. An alternative embedding 

method, not applied in this work, is to mount the phase-shifter bare chip onto the GCPW 

directly by laser weld soldering. Figure 7.25(b) is the top view of the completed phase 

shifter structure with two N-type connectors for testing purpose. The measured thickness 

of the cover substrate layer is 6.1 mm, and that of the bottom substrate layer is 6.75 mm. 

The S-parameters of the phase shifter structure are measured using a VNA. A DC power 

supply (GW INSTEK PST3202) is used to control the bias voltage of the phase shifter. 

Good reflection coefficient performance is observed. The simulated and measured 

transmission coefficients are compared in Fig. 7.26(a) for bias voltages of 6 V and 9 V. 

The measured insertion loss has about 0 – 1.2 dB deviation from the simulation from 3 to 



 

 

168 

3.72 GHz. However, the measured insertion loss is up to 4.7 dB higher than the 

simulation at 4 GHz. The main cause is spurious mode introduced by the potential 

disconnection between some ground vias and grounds. Figure 7.26(b) is the normalized 

phase shift vs. bias voltage at 3.5 GHz, where the phase shift at a bias voltage of 0 V is 

used as the reference. The measured phase voltage sensitivity is close to the simulated 

result.  

 

Fig. 7.25 Image of the printed phase shifter structure: without the top substrate 

and ground (a), top view (b) of the completed structure with N-type connectors. 

 

Fig. 7.26 Comparison of the simulated and tested transmission coefficients (a) 

and normalized phase shift vs. bias voltage at 3.5 GHz (b) of the phase shifter 

structure. 

To verify that the disconnection between some ground vias and the grounds is the 

main issue for the relatively higher loss at higher frequencies, a modified model with 

some open contact between some ground vias and the ground of the GCPW is simulated. 

(a) (b) 
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To be more consistent with the printed sample, dielectric constant of 2.4 and the 

measured substrate thickness are applied in the model. As shown in Fig. 7.27, the 

simulated results of the modified model agrees better with experimental results, which 

indicates the importance of the reliable connection between the ground and the through-

substrate vias.  

 

Fig. 7.27 Transmission coefficient of the phase shift layer from the 

measurement and the simulation of the modified-model. 

 Patch Antenna 

Figure 7.28(a) and 7.28(b) are the top and bottom views of the printed patch 

antenna which is probe fed from the bottom GCPW (refer to Fig. 7.2). An N-type 

connector is edge-mounted to the GCPW for testing purpose. The measured substrate 

thicknesses from top to bottom (from the patch to the GCPW) are 4.8 mm, 6.4 mm, and 

6.4 mm. The comparison of the measured and simulated reflection coefficients is plotted 

in Fig. 7.28(c). Good reflection performance is observed. The slightly up-shifted working 

frequency is mainly due to the non-ideal filling of the printing material, which leads to a 

lower effective permittivity of the substrate.  
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Fig. 7.28 Image of the top view (a) and bottom view (b) of the printed patch 

antenna with an N-type connector; comparison of the simulated and measured 

reflection coefficients of the patch antenna (c). 

For antenna gain measurement, a calibrated double-ridged horn antenna (ETS / 

Emco 3115) is used as the reference antenna, and a WR340 horn antenna of 16-dB gain is 

used as the transmitter. The patch antenna under test is placed 6 m away from the 

transmitter (in the far-field zone of the transmitter) as shown in Fig. 7.29, and the 

radiation pattern is measured using an Agilent E8361A VNA (1dBm power output). The 

patch antenna is rotated horizontally from −180° to 180° with 2° step. The frequency is 

swept from 3 to 4 GHz with 101 points in total. The measured and simulated gain 

patterns at 3.5 GHz are mostly consistent for both co- and cross- polarization as shown in 

Fig. 7.30. However, the measured gain is approximately 2 dB lower than the simulation, 

which is attributed to fabrication tolerance of the probe-feeding part and measurement 

uncertainties. 
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Fig. 7.29 Measurement setup with the transmitter and receiver on the roof of 

the ECE building of the Univ. of Arizona (a), patch antenna setup (b). 

 

Fig. 7.30 Comparison of the simulated and measured antenna gain of the patch 

antenna at 3.5 GHz. 

 

A proof-of-concept demonstration of the integrated dielectric-conductor printing 

technique at room temperature for microwave system is presented. A 3D printable 

compact multilayer phased array operating at 3.5 GHz is designed. Vertical 

interconnections with low loss are obtained. The simulated results of the whole system 

show a reflection coefficient lower than -10 dB at the working frequency and directional 

scanning capabilities of +/-40°. The radiation efficiency of the entire array system is 77% 

at scan angle of 0°. All the relevant parts of this multilayer phased array are then 3D 
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printed at room temperature using the thermal wire-mesh embedding for the conductive 

portion and the thermoplastic extrusion technique for the dielectric portion. An active 

phase shifter is also embedded during the build sequence. The measurement results of the 

functional parts are consistent with the simulation, but with higher loss. The potential 

contact problems between the coaxial connector and the stripline/GCPW and between 

grounds and through-substrate vias are investigated. This 3D printing process of both 

dielectrics and conductors has great potential to realize more sophisticated EM structures 

for microwave applications.  

Although the reported techniques integrating conductor, dielectric parts, and 

active devices is promising for realizing multilayer microwave integrated systems, some 

challenges should be addressed to improve system performance such as reducing loss. 

The main issue is the contact problem between the coaxial connector and the 

stripline/GCPW made of wire mesh and between the wire mesh layer and the through-

substrate via. The thermoplastic underneath wire mesh can be melted at soldering 

temperature, which may form an isolation layer above the wire mesh that induces non-

ideal contact to the coaxial connectors and vias. This problem can be solved by using 

copper foil instead of wire mesh or low-temperature soldering. Another issue is the 

fabrication error in the substrate thickness, which is especially critical for applications at 

high frequencies. The multi-pause build process can be optimized to improve the loss of 

printing resolution caused by the re-registering process. 
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 Bandwidth Limit Study of Antenna Matching  

The bandwidth limit of the antenna with reactive matching can be derived by 

applying the gain-bandwidth theory introduced by Bode and Fano. As an example, the 

achievable bandwidth of a multiband antenna is derived and calculated to check the 

feasibility of covering LTE bands from 698 MHz to 787 MHz, and from 1710 MHz to 

2155 MHz.  

 

Compact antenna designs are important for many applications including mobile 

communication, internet of things, etc. For example, for mobile phone applications, there 

is ever growing demands on shrinking the antenna size and covering more frequency 

bands to achieve a variety of functions. Since the antenna performance degrades with 

decreasing antenna electrical size, lumped-element matching networks are usually 

implemented to achieve satisfactory performance over desired frequency bands, 

especially for small antennas. In addition to the antenna design itself, the matching 

network also needs to be optimized at the same time. However, before any matching 

circuit optimization, a theoretical limit on how well an antenna can be matched is desired. 

This bandwidth limit conveys that a target bandwidth greater than the theoretical limit 

will not be achievable. In addition, one can tell which antenna may be better in terms of 

impedance matching in ideal circumstances by comparing bandwidth bounds of two 

unmatched antenna design candidates.  
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The bandwidth and reflection coefficient constraint of reactively matched 

antennas can be obtained using the gain-bandwidth theory introduced by Bode and Fano 

[45, 46]. As an example, the achievable bandwidth of a multiband antenna is derived and 

calculated. The bandwidth limit is used to check the feasibility of the antenna design to 

cover LTE bands from 698 MHz to 787 MHz, and from 1710 MHz to 2155 MHz. The 

bandwidth limit is verified with lumped-element matching networks. In general, the 

theoretical bandwidth limit provides the information of antenna feasibility and a figure of 

merit for antenna optimization. 

 

According to Bode-Fano’s matching theory, there is a fundamental bandwidth 

limit to match an arbitrary complex load to a pure resistance using a reactive matching 

network. The limit on the bandwidth and the reflection coefficient level in the frequency 

band for any reactively matched antenna can be calculated accordingly. To apply Bode-

Fano’s theory, the simulated/measured reflection coefficient (or input impedance) of a 

designed antenna is obtained first. The frequency dependent reflection coefficient is then 

fitted using an equivalent circuit model or a rational function of complex frequency [98, 

99]. The circuit model should be a two-port reactive network terminated by a resistor 

[100]. Next, the complex frequencies of zero transmission from a source resistor to the 

antenna load resistor are calculated. From the classification of transmission zeros and the 

zeros and poles of the reflection coefficient, several types of Fano’s integrals are 

computed. Finally, based on the integrals, the tradeoff between the bandwidth and the in-

band reflection coefficient can be analyzed.  
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Fig. 8.1 Geometry of the antenna model in ANSYS HFSS (a) and dimensions 

of the PIFA conducting plate (b). 

As an example, a dual-band PIFA (planar Inverted-F antenna), shown in Fig. 8.1, 

is investigated. The simulated reflection coefficient using ANSYS HFSS is plotted in Fig. 

8.2 in solid line. There are three resonances observed, which correspond to three current 

paths on the PIFA conducting plate. The fitted equivalent circuit of the antenna is shown 

in Fig. 8.3. Three sections of L-C (inductor and capacitor) circuits terminated with a 

resistor are used as the circuit topology since each L-C tank represents one resonance and 

the antenna impedance has three resonances in the interested frequency range. The L-C 

values are optimized using Keysight Advanced Design System (ADS). The reflection 

coefficient of the equivalent circuit is also plotted in Fig. 8.2 in dashed line for 

comparison with that of the antenna. It agrees reasonably well with the antenna reflection 

coefficient. It is found that the variation of equivalent circuit topology does not affect the 
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bandwidth limit calculation as long as the reflection coefficient of the equivalent circuit 

model fits that of the antenna in the frequency band of interest. 

 
Fig. 8.2 Simulated reflection coefficients of the antenna (solid) and the 

equivalent circuit (dashed). 

 
Fig. 8.3 An equivalent circuit of the antenna. 

The input reflection coefficient of the equivalent circuit can also be expressed into 

a rational function of the complex frequency (s) as: 

 Γ(𝑠) =
0.00011𝑠6 + 0.00068𝑠5 + 0.018𝑠4 + 0.1𝑠3 + 0.38𝑠2 + 2.05𝑠 + 1

0.00011𝑠6 + 0.0013𝑠5 + 0.021𝑠4 + 0.13𝑠3 + 0.53𝑠2 + 2.12𝑠 + 1
 (8.1) 

The output reflection coefficient looking from the load resistor can be expressed as [46]: 

 ρ(𝑠) =
0.00011𝑠6 − 0.00068𝑠5 + 0.018𝑠4 − 0.1𝑠3 + 0.38𝑠2 − 2.05𝑠 + 1

0.00011𝑠6 + 0.0013𝑠5 + 0.021𝑠4 + 0.13𝑠3 + 0.53𝑠2 + 2.12𝑠 + 1
 (8.2) 

Zeros and poles of the output reflection coefficient expressed as (8.3) in complex 

frequency domain are calculated as shown in Fig. 8.4 and marked as soi and spj (i=1,2,..,I; 

)(s
)(s
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j=1,2,…,J) respectively. The poles fall in the left half plane of the complex frequency 

domain as expected because of the realizability property. The complex frequencies where 

the transmission from a source resistor to the load resistor is zero (|Γ(s)| = 1) are 

calculated as +/-7.064j, +/-1.560j, 0, ∞. From transmission-zeros classification, several 

types of corresponding Fano’s integrals are calculated as follows. 

The first type of integral deals with transmission zeros at 0 with multiplicity of n. 

It has the following form [46]: 
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where k = 0,1,…,n-1, 𝜌1(𝑠) is the reflection coefficient of the load after matching, 𝑆𝑟 =

[𝑠𝑟1, 𝑠𝑟2, … , 𝑠𝑟𝑀] includes zeros of 𝜌1(𝑠) at right half plane of the complex frequency 

domain, and 
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It is assumed that the range of multiple frequency bands are [𝑤1𝑏 , 𝑤2𝑏], where b is the 

band number and the out-of-band has total reflection. Let 𝐾𝑏 = min
𝜔1𝑏<𝜔<𝜔2𝑏

2/𝜋 ln (1/

𝜌1(𝜔)),  one can get from (8.3) that: 

 )2)12(()1()( )12(0

12

)12(

2

)12(

1  



 
M

m

k

rmk

k

b

k

b

k

bb sAkK   (8.5) 
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The second type of integral deals with transmission zeros at ∞ with multiplicity 

of n. It has the following form [46]: 
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where k = 0,1,…,n-1, and 
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Similarly, 𝐾1 cannot exceed: 
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The third type of integral deals with transmission zeros at +/- j𝜔0 with multiplicity 

of n. It has the following form [46]: 
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where 𝑥 = 𝜔/𝜔0 and 
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Similarly, 𝐾1 cannot exceed the following variables: 
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Including all the above mentioned transmission-zero types, the limit on the in-

band reflection coefficient for a given bandwidth is obtained from: 

 ))}(),(),(),((min{maxsup 12,2,12,12,01 rkjrkjrkrk
kS

ShShShShK
r


  

 (8.21) 

The tradeoff between the bandwidth and the in-band reflection coefficient is 

obtained by maximizing K1 using numerical simulations optimizing 𝑆𝑟  vector. The 

derivation is valid for both single-band (total reflection at other bands) and multiple-band 

bandwidth limit calculation. 
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Fig. 8.4 Zeros and poles of the output reflection coefficients. 

The calculated Bode-Fano’s bandwidth limit based on the equivalent circuit is 

shown in Fig. 8.5 for a single-band match of band-1 (center frequency 750 MHz) and 

band-2 (center frequency 1.93 GHz). The calculated 10-dB bandwidth limit of the 

equivalent circuit of this antenna is 31% for the lower band and 42% for the higher band 

for a single-band match. For dual-band match case, 30% and 37% bandwidths are 

achieved for band-1 and band-2 respectively. 

 

Fig. 8.5 Calculated Bode-Fano bandwidth limitation based on the equivalent 

circuit. 

σ 

jw 
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To verify the calculated bandwidth limit, the equivalent circuit of the antenna is 

matched with 20-section low-pass filters made of ideal L-C circuits [97] as shown in Fig. 

8.6. The low-pass filters are optimized with the goal of achieving an in-band reflection 

coefficient less than -10 dB for band-1 and/or band-2 using ADS software. The matched 

reflection coefficients with optimized low-pass filters for dual-band case is shown in Fig. 

8.7 and that for band-1 and band-2 only cases are shown in Fig. 8.8.  

 

Fig. 8.6 Matching circuit using optimized 20-section L-C low-pass filters. 

 

Fig. 8.7 Dual band matching result. 

 

Fig. 8.8 band-1 matching result (a) and band-2 matching result (b). 
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The bandwidth for band-1 and band-2 obtained from the case of dual-band 

matching are close to that from the case of a single-band matching. The bandwidths 

obtained from the L-C matching network are close to the calculated Bode-Fano limit as 

compared in Table 8.1. The calculated bandwidth limit is thus verified.  

Table 8.1 Bandwidth Comparison from L-C Matching and Bode-Fano 

relative bandwidth dual-band  band-1 only band-2 only 

L-C matching 27% band-1, 

37% band-2 
28% 41% 

Bode-Fano theoretical limit 30% band-1, 

37% band-2 
31% 42% 

 

It is worth noting that, the matching circuit in Fig. 8.6 is not practical. That 

matching circuit topology is used as to approach the Bode-Fano’s theory, which is a 

measure for matching circuits consisting of infinite number of lumped elements. As the 

number of sections increase, the loss associated with the elements will increase. It will be 

more practical to study the bandwidth limit of an antenna matched by finite number of 

reactive elements (two or three sections). This will be involved in the future work. 

 

The bandwidth limit of a multi-band antenna is calculated from the equivalent 

circuit of the antenna using Bode-Fano’s matching theory. The obtained bandwidth limits 

indicate that our antenna design is promising to cover the LTE bands of interest with 

appropriate matching network. These bandwidth limits are verified with matching 

network consisting of ideal lumped elements. The bandwidth restriction can be used to 

determine the feasibility of an antenna design.  
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The calculated theoretical bound considers ideal matching. The more practical 

approach is to study the bandwidth limit of an antenna matched by finite number of 

reactive elements with finite value options. For example, Bode-Fano’s theory concludes 

that the bandwidth limit to match a pure resistor is infinite using an ideal transformer or 

infinite number of lumped elements. However, in real case, a transformer may not be 

available in the frequency band of interest and the number of lumped elements is usually 

limited to maintain small insertion loss. Thus, the practical bandwidth for matching a 

pure resistor to another source resistor is much reduced and is worth to be investigated. 

Bandwidth limit calculation may start from a rational function of the antenna 

response instead of an equivalent circuit model. The benefit of using rational function is 

that there is no need to provide a circuit topology in this case. Also, it is usually easier 

and faster to find a well fitted rational function, especially for a multi-band antenna, 

compared with an equivalent circuit. The potential issue need to be taken care of is to 

ensure the physical realizability of the rational function. Some criteria may be used such 

as poles of the reflection coefficient are in the left half plane of the complex frequency 

domain and the magnitude of the reflection coefficient is smaller than one for all 

frequencies from zero to infinity.   
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 Power Efficiency Study of Non-Foster Matching  

Power efficiency is important when an antenna is used as a transmitter. Most 

studies have focused on enhancing the bandwidth and removing the stability issues of the 

antenna system after adding a non-Foster matching circuit, and very few have reviewed 

the fundamental power efficiency involving DC power dissipation. In this chapter, the 

power efficiency of a non-Foster matching circuit with 100% loss compensation for 

electrically small antennas is studied. The power efficiency is compared among cases of 

without matching, with lossless passive matching, and with non-Foster matching for two 

cases, a simple load of a small resistor in series with a capacitor and an electrically small 

antenna. 

 

Electrically small antennas have attracted much attention because of their 

potential applications in wireless systems and sensor networks such as MIMO, cognitive 

radio, Unmanned Aerial Vehicles (UAVs), Internet of things, etc. However, their small 

size (ka < 1, k – wavelength number, a –radius of the smallest sphere that can surround 

the antenna) creates a large reactance and small radiation resistance. Thus, according to 

the gain-bandwidth limit derived by Bode-Fano [45, 46], the antennas can only be 

matched over narrow frequency bands using lossless passive matching networks. 

However, a non-Foster matching network, consisting of negative capacitors and/or 

negative inductors, can overcome the gain-bandwidth limit and therefore provide 

substantially wider bandwidth. There are considerable efforts theoretically and 
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experimentally to obtain bandwidth improvement for electrically small antennas using 

non-Foster matching networks. 

The wide bandwidth a non-Foster matching network brings comes at the cost of 

extra DC power consumption. The power efficiency involving DC power consumption is 

critical to an antenna system, especially in transmission applications [47-49]. The 

question arises that whether non-Foster matching technique with an active source is still 

superior to lossless passive matching method regarding the tradeoff between the power 

efficiency (including DC power dissipation) and the bandwidth. To the best of our 

knowledge, few reported effort has been focused on the fundamental power efficiency 

study. In this chapter, the power efficiency of a matched electrically small antenna using 

a non-Foster circuit with 100% loss compensation is investigated. 

 

The figure of merit (FOM) regarding the power efficiency is defined as the 

radiated power over total supplied power (RF power and DC power), averaged over the 

bandwidth, as shown below: 

 𝐹𝑂M =
1

BW
∫

Prad
PRF + PDC

d𝜔
𝜔2

𝜔1

 (9.1) 

where 𝜔2 and 𝜔1 are the highest and lowest angular frequencies in the band and BW is the 

absolute bandwidth and equals 𝜔2 − 𝜔1 .  

A load of a constant resistance and a constant capacitance matched to a 50 Ω (Z0) 

source is studied first as shown in Fig. 9.1. The load consists of a series resistor, Rr = 

1.974 Ω and a series capacitor, C = 1.48 pF, which approximates the input impedance of 

a 0.1- (wavelength) long dipole at a frequency (𝑓0 ) of 100 MHz (dipole radius is 
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assumed to be 0.01 dipole length). The quality factor of the load at 𝜔0 = 2𝜋𝑓0 is 𝑄 =

1
(𝑅𝑟𝐶𝜔0)
⁄ = 545, which is much greater than 1. Three scenarios are studied in the 

following section: without matching, with lossless passive matching, and with non-Foster 

matching. 

 

Fig. 9.1 Schematic of a series resistor-and-capacitor load matched to a 50-Ω 

source. 

 Without Matching 

When directly connect the load to the source, the reflection coefficient at arbitrary 

angular frequency  and the FOM are derived as follows: 

 𝛤(𝜔) = (𝑅𝑟 +
1

𝑗𝜔𝐶
− 𝑍0)/(𝑅𝑟 +

1

𝑗𝜔𝐶
+ 𝑍0) (9.2) 

 𝐹𝑂𝑀𝑛𝑜𝑛𝑒 = 1 −
1

𝐵𝑊
∫ |𝛤(𝜔)|2𝑑𝜔
𝜔2

𝜔1

 (9.3) 

 Lossless Passive Matching 

According to Bode-Fano’s theory [45, 46], there is a gain-bandwidth restriction 

for any lossless passive matching as shown below: 

Rr 

1.974 
Ω 

C 

1.48 pF 

Matching Circuit 

Z0 = 50 Ω 

RF source 
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 ∫ 1/𝜔2
𝜔2

𝜔1

𝑙𝑛
1

|𝛤|
𝑑𝜔 ≤ 𝜋𝑅𝑟𝐶 (9.4) 

Assuming total reflection out of the frequency band of interest, the in-band reflection 

coefficient satisfies: 

 |𝛤| ≥ 𝑒𝑥𝑝 (−
𝜋𝑅𝑟𝐶𝜔1𝜔2

𝐵𝑊
) (9.5) 

The FOM is calculated according to (9.3)(9.5) and has an upper bound as:     

 𝐹𝑂𝑀𝑝𝑎𝑠𝑠𝑖𝑣𝑒 = 1 − 𝑒𝑥𝑝 (−
2𝜋𝑅𝑟𝐶𝜔1𝜔2

𝐵𝑊
) (9.6) 

 Non-Foster Matching with Loss Compensation 

 

Fig. 9.2 A non-dispersive negative capacitor realized by a PEC parallel plate 

sandwiching a center dielectric of negative permittivity. 

To achieve broadband matching characteristic, a negative capacitor (–C) is added 

to cancel the capacitor of the load. The negative capacitor can be realized theoretically by 

a perfect electric conductor (PEC) parallel plate sandwiching a center dielectric of a 

negative dielectric constant 휀𝑚: 

 −𝐶 = 휀0휀𝑚𝑆/𝑑 (9.7) 

where S is the area of the plate, d is the spacing between the two plates, and 휀0 is the 

permittivity of air. To achieve a negative non-dispersive capacitor, the dielectric should 

has a constant negative dielectric constant satisfying: 

E

Ji

εeff

- C
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 휀𝑚 =
−𝐶𝑑

𝑆휀0
 (9.8) 

As discussed in [103], it is impossible to obtain such a constant negative dielectric 

constant in a passive lossless medium. Thus, a lossy medium filled with uniformly 

distributed virtual source current density 𝐽𝑖  for loss compensation is considered as shown 

in Fig. 9.2. The corresponding electric field in the medium is marked as E. 

For linear, causal, time translational invariant, continuous, isotropic, and lossy 

media, to achieve a constant real part of the relative permittivity 휀′ = 휀𝑚, the imaginary 

part needs to satisfy [103]: 

 𝑚𝑎𝑥
𝑤1<𝑤<𝑤2

휀′′ ≥
𝐵

2 + 𝐵
(휀∞ − 휀𝑚) (9.9) 

where B is the relative bandwidth (B = BW / 𝜔0) and 휀∞ is the  dielectric constant at 

infinite frequency (휀∞ is usually 1). To compensate the loss, the source current should 

satisfy −𝑗휀′′ + 𝑗
−𝐽𝑖

𝜔ℰ0𝐸
= 0. Assuming that the maximum 휀′′in the band is achieved at an 

angular frequency of 𝜔𝑚, then: 

 −𝐽𝑖(𝜔𝑚) ≥
𝜔𝑚휀0𝐸𝐵

2 + 𝐵
(휀∞ − 휀𝑚) (9.10) 

The extra supplied power can be calculated as: 
 

 𝑃𝑒𝑥𝑡𝑟𝑎 = −∭𝐽𝑖𝐸
∗ (9.11) 

Plugging (9.11) into (9.10), one can get: 

 𝑃𝑒𝑥𝑡𝑟𝑎(𝜔𝑚) ≥
𝜔𝑚휀0|𝐸|

2𝐵

2 + 𝐵
(휀∞ − 휀𝑚)𝑆𝑑 (9.12) 

Applying (9.7) into (9.12), the additional DC power input is obtained: 

 𝑃𝑒𝑥𝑡𝑟𝑎(𝜔𝑚) ≥
𝜔𝑚|𝐸|

2𝐵

2 + 𝐵
(−
휀∞
휀𝑚

+ 1)𝐶𝑑2 (9.13) 
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Because 
𝜀∞

𝜀𝑚
< 0, so 

 𝑃𝑒𝑥𝑡𝑟𝑎(𝜔𝑚) ≥
𝜔𝑚|𝐸|

2𝐵

2 + 𝐵
𝐶𝑑2 (9.14) 

The radiated power is calculated as: 

 𝑃𝑟𝑎𝑑 = |𝐼|2𝑅𝑟 = |𝐸|2𝜔2𝐶2𝑑2𝑅𝑟 (9.15) 

where I is the equivalent current at the load and is equal to 𝑗𝑤𝐶𝐸𝑑. According to Bode-

Fano’s matching theory, a constant resistance can be losslessly-passively matched to any 

impedance with infinite bandwidth, which means no extra power is required to match the 

load resistor Rr to the source resistor Z0. One can derive based on (9.11)(9.15) that: 

 
𝑃𝑟𝑎𝑑

𝑃𝑒𝑥𝑡𝑟𝑎 + 𝑃𝑟𝑎𝑑
|
𝜔=𝜔𝑚

≤
(
2
𝐵 + 1)𝑅𝑟𝐶𝜔𝑚

(
2
𝐵 + 1)𝑅𝑟𝐶𝜔𝑚 + 1

 (9.16) 

It is assumed that (9.16) is valid for all frequencies in the band. The resulting 

approximate upper bound of the FOM is written as: 

 𝐹𝑂𝑀𝑛𝑜𝑛−𝐹𝑜𝑠𝑡𝑒𝑟 =
1

𝐵𝑊
∫

(
2
𝐵 + 1)𝑅𝑟𝐶𝜔

(
2
𝐵 + 1)𝑅𝑟𝐶𝜔 + 1

𝑑𝜔
𝜔2

𝜔1

 (9.17) 

Figure 9.3 shows the comparison results of the calculated FOM vs. relative 

bandwidth for the simple load shown in Fig. 9.1. Without matching, the FOM is the 

lowest as expected. More interesting is that the proposed non-Foster matching has lower 

FOM than that of the lossless passive matching calculated from Bode-Fano’s matching 

theory up to a relative bandwidth of 120%. 
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Fig. 9.3 Calculated FOM vs. relative bandwidth of a simple series resistor-

and-capacitor load for three cases: without matching, with lossless passive matching, 

and with non-Foster matching. 

 

To be more practical, an electrically small dipole (ESD) model is also studied as 

shown in Fig. 9.4. The input impedance of the small dipole is modeled according to [104]: 

 𝑍𝐸𝑆𝐷 = 20(𝑘𝑎)2 − 𝑗120
𝑙𝑛 (

𝑎
𝑡) − 1

𝑡𝑎𝑛 𝑘𝑎
 (9.18) 

where a is half the dipole length, t is the radius of the dipole and k is the wavelength 

number. The impedance can also be written as: 

 𝑍𝐸𝑆𝐷 = 𝑅𝑟(𝜔) +
1

𝑗𝜔𝐶(𝜔)
 (9.19) 

Three cases of without matching, with lossless passive matching, and with non-Foster 

matching are investigated and compared. 

 

Fig. 9.4  Schematic of an electrically small dipole with various a matching 

circuit. 

Matching Circuit 

Electrically Small Dipole 
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 Without matching 

When the ESD is directly connected to a source of 50-Ω resistance (𝑍0), the 

reflection coefficient can be calculated as: 

 𝛤(𝜔) =
𝑍𝐸𝑆𝐷 − 𝑍0
𝑍𝐸𝑆𝐷 + 𝑍0

 

(9.20) 

The FOM is obtained from (9.3)(9.20) . 

 Passive Lossless Matching (Lumped-Element Matching) 

 

Fig. 9.5 Schematic of an ESD matched by one section of an ideal inductor and 

capacitor. 

As shown in Fig. 9.5, a single section of ideal inductor-capacitor (L-C) matching 

circuit is studied. The inductance and capacitance are selected so that an ideal matching is 

achieved at the center frequency. The L-C components can be calculated as: 

 𝐶𝑚 =
𝑄𝑚
𝜔0𝑍0

 (9.21) 

 𝐿𝑚 =
𝑅𝑟(𝜔0)𝑄𝑚

𝜔0
+

1

𝜔02𝐶(𝜔0)
 (9.22) 

where 𝑄𝑚 = √
𝑍0

𝑅𝑟(𝜔0)
− 1. The reflection coefficient can be derived as: 

 Γ(𝜔) =
𝑍𝑖𝑛(𝜔) − 𝑍0
𝑍𝑖𝑛(𝜔) + 𝑍0

 

(9.23) 

where 𝑍𝑖𝑛  is the input impedance of the matched ESD. The FOM is obtained from 

(9.3)(9.23). 

ESD 

Cm 

Lm Zin 
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 Non-Foster Matching with Loss Compensation: 

A Non-Foster matching circuit consisting of a PEC parallel plate sandwiching a 

center dielectric of negative permittivity to cancel the capacitive part of the ESD is also 

investigated as shown in Fig. 9.6. An L-C circuit is added to match the real part of the 

ESD to a 50-Ω source impedance. 

 

Fig. 9.6  Schematic of the Non-Foster matching. 

According to (9.14), the extra power needed at 𝑤𝑚 to realize a negative capacitor 

that cancels the reactance of the ESD at the center frequency has the bound that: 

 𝑃𝑒𝑥𝑡𝑟𝑎(𝜔𝑚) ≥
𝜔𝑚|𝐸|

2𝐵

2 + 𝐵
𝐶(𝜔0)𝑑

2 (9.24) 

From (9.15), the corresponding radiated power is: 

 𝑃𝑟𝑎𝑑 = |𝐸|
2𝜔2𝐶2(𝜔0)𝑑

2𝑅𝑟(𝜔) (9.25) 

The L-C components used to match the real part of the impedance of the ESD at the 

center frequency are calculated as: 

 
𝐿𝑚𝑎 =

𝑅𝑟(𝜔0)√
𝑍0

𝑅𝑟(𝜔0)
− 1

𝜔0
 

(9.26) 

 
𝐶𝑚𝑎 =

√
𝑍0

𝑅𝑟(𝜔0)
− 1

𝜔0𝑍0
 

(9.27) 

The power efficiency at 𝜔𝑚 is then calculated as: 

E

Ji

εeff

ESDLma

Cma

50Ω

PRF

Zin

Γ
- C(w0)
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𝑃𝑟𝑎𝑑
𝑃𝑒𝑥𝑡𝑟𝑎 + 𝑃𝑟𝑎𝑑/(1 − |𝛤(𝜔𝑚)|2)

|
𝜔=𝜔𝑚

=
1

1

(
2
𝐵 + 1)𝑅𝑟(𝜔𝑚)𝐶(𝜔0)𝜔𝑚

+
1

1 − |𝛤(𝜔𝑚)|2

 
(9.28) 

where 𝛤 is obtained according to (9.23). Finally, the FOM is obtained assuming (9.28) is 

valid for in-band frequencies as: 

 
𝐹𝑂𝑀𝑛𝑜𝑛−𝑓𝑜𝑠𝑡𝑒𝑟 =

1

𝐵𝑊
∫

1

1

(
2
𝐵 + 1)𝑅𝑟(𝜔)𝐶(𝜔0)𝜔

+
1

1 − |𝛤(𝜔)|2

𝜔2

𝜔1

𝑑𝜔 
(9.29) 

 

Fig. 9.7 Calculated FOM vs. relative bandwidth for a 0.1-λ long ESD. 

A 0.1-λ long ESD with a dipole radius of 0.01 dipole length at a center frequency 

of 100 MHz is studied first. The resulting FOM vs. relative bandwidth is plotted in Fig. 

9.7. The proposed non-Foster matching gives lower FOM than the L-C matching. Next, 

the FOM is studied when the relative bandwidth is fixed as 10% and the dipole length is 

varied. The FOM vs. ka (k*a, k is wavelength number, and a is half of the dipole length) 

is plotted in Fig. 9.8. The case with non-Foster matching has lower FOM than the case 
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with L-C matching. The FOM increases with ka up to 1 when ka is approaching 1. The 

case of without matching has the lowest FOM for all scenarios.  

 

Fig. 9.8 Calculated FOM vs. ka for a varied-length ESD with relative 

bandwidth 10%. 

 

The power efficiency involving DC power consumption of electrically small 

antennas matched by a 100% loss-compensated non-Foster circuit is studied. The non-

Foster circuit of a negative capacitor is realized by a PEC parallel plate sandwiching a 

loss-compensated linear dielectric medium of a negative effective permittivity. It is 

demonstrated that the proposed loss-compensated non-Foster matching offers a little bit 

lower power efficiency (involving DC power consumption) compared with lossless 

passive matching, which means the non-Foster matching is not superior to lossless 

passive matching in terms of power efficiency. As a step forward, general active non-

Foster matching that does not satisfy the linear condition should be investigated. Its 

power efficiency within a bandwidth should be compared with that of lossless passive 

matching. 
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  Summary and Future Works 

This dissertation explores several frontiers in microwave engineering with focus 

on practical and fundamental aspects of antennas and their applications in wireless 

sensing and communication.  First, novel biologically inspired radio frequency direction 

of arrival estimation techniques and portable inventory localization system are 

investigated. second, 3D printing capability in manufacturing RF integrated system is 

demonstrated. At last, the gain-bandwidth limit for a multiband reactively matched 

antenna is studied. The power efficiency of an electrically small antenna system matched 

with a loss-compensated non-Foster network that can break the bandwidth limit is also 

investigated. 

Inspired by the human binaural auditory system, a low profile DoA system using 

two PIFA antennas with a lossy scatter in between them, emulating the low-pass filtering 

function of the human head at high frequency to achieve additional magnitude cues, has 

been designed and tested. The results of azimuth DoA show that by incorporating a head-

like scatterer between the two antennas, not only the DoA sensitivity is improved, but 

also the high-frequency ambiguity associated with phase wrapping can be eliminated. 

Almost 360º range of DoA estimation in the azimuth plane is achieved without ambiguity 

for continuous wave. Next, this two antennas / scatterer DF system is extended to 3-D 

DoA estimation with optimized scatterer geometry to achieve the goal that the received 

magnitude and phase differences are incident angle dependent for all directions in 3-D. 

Simulated 3-D DoA estimation errors of the optimized monopole / scatterer configuration 

show an encouraging accuracy and directional sensitivity. Applying scatterer 
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optimization of both geometry and material parameters including permittivity, 

permeability and loss tangent may improve the 3-D DoA estimation performance. The 

fast developing 3D printing technologies with mixture of polymer and ceramic powder of 

high permittivity and permeability enables the realization of structures with flexible EM 

parameters and shape.  

In addition, a directional-sensitivity enhancement technique for portable DF 

applications is proposed by incorporating a scatterer of high permittivity in between 

electrically small antennas. It is found that for a given power constraint, the maximum 

directional sensitivity of reactively matched DF system with a scatterer is higher than that 

without scatterer. Various matching circuits such as self-conjugate matching (SCM), 

Eigen-mode decoupling matching (EDM), and multiport-conjugate matching (MCM) 

involved to achieve good directional sensitivity as well as good received power level are 

studied. The SCM network is simple with limited improvement of received power level. 

The EDM network is easy to design but has limited field of view as magnitude difference 

cue instead of phase difference cue is available, leading to low SNR at some incident 

angles. The MCM network can achieve maximum received power at the output while 

maintaining the directional sensitivity. The two-monopole system with/without a 

commercially available K50 scatterer and with/without the SCM and MCM circuits are 

fabricated and tested. The measurement results have verified the proof-of-concept of this 

technique. 

Inspired by human monaural direction finding capability, a technique using a 

single antenna for DoA estimation of broadband microwave signals has been presented, 

where the incident-angle-dependent spectra is utilized as the directional cue. Compared to 
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previous work using two antennas, this single antenna approach has the advantages of 

requiring less hardware components and less computational intensity at the expense of 

sacrificing some accuracy. The DoA estimation accuracies for various antenna 

configurations, an elliptical UWB antenna, an unsymmetrical D-shaped UWB antenna, 

and a microstrip based leaky wave antenna, are evaluated. The feasibility of the single 

antenna DoA estimation technique is demonstrated in both simulations and experiments. 

It is found that high spectral distortion and strong multipath effect will degrade the DoA 

estimation performance. A pulsed broadband system is less prone to multipath fading 

compared to a CW sweeping based system. Such a pulsed DF system with a higher 

degree of estimation accuracy has been experimentally demonstrated using the leaky 

wave antenna. 

In addition, a broadband passive DF system employing a Luneburg lens with a 

number of detectors placed on the lens equator has been quantitatively evaluated. The 

performance evaluation is valuable as a Luneburg-lens DF system design guidance. For 

the Luneburg-lens DF system design, the lens size and the number of detectors are 

determined from the requirement of the DoA estimation accuracy for various SNR and 

frequency. It is found that the number of detectors is optimal in terms of performance and 

cost when the detectors’ angular spacing is comparable to the antenna beam width. This 

DF technique based on Luneburg lens is also effective for multiple sources and DoA 

estimation in both azimuth and elevation planes (of course to be practical, blockage 

should be considered during design for this case). 

As an example of DF applications, a portable localization system utilizing RF and 

ultrasound signals has been presented. By incorporating the distance (obtained from time 



 

 

198 

of arrival of the ultrasound) and the direction (obtained from phase difference of the RF 

signal) information, the position is estimated. This system is advantageous as it doesn’t 

require several reference sensors and only one sensor is enough. As a proof-of-concept 

demonstration, commercially available RF and ultrasound devices are selected and a 

prototype is experimentally demonstrated. The range estimation error of this system is 

within +/- 0.5 m and the range accuracy can be much improved if the protocol of the RF 

modules have adequate timing repeatibility. The RMS error of the estimated location is 

smaller than 0.32 m. This technique can potentially be used for 3-D localization 

applications as long as a 3-D RF direction estimation capability is enabled with a 

specially designed scatterer in between the two PIFAs, as discussed in Chapter 2. 

More understanding of other human auditory capabilities such as “cocktail party 

effect” and “learning the surrounding environment within seconds” may help to solve 

many tasks in the general area of direction finding and localization. The phenomenon that 

people can be attentive to a specific person in a noisy environment may be applied in 

solving multiple-signal DF or broadband-signal DF in a multipath rich environment. A 

possible configuration is to use two broadband antennas that incorporate both single-

antenna and two antenna / scatterer DF techniques. The DoA of each multipath signal or 

signal from multiple sources can then be estimated separately. The spectrum of the pulse 

can be used to get an idea of the DoA of the signal. The phase / time difference between 

the received signals at the two antennas can be applied to further improve the DF 

accuracy. Another topic worth pursuing is the human auditory capability of learning the 

surrounding environment within seconds. This capability may be exploited to solve the 
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multipath issue where the incident signal is unknown. Training or prior known model can 

be utilized to build a database of the environment to apply this capability.  

The applicability of a hybrid dielectric-conductor 3D printing technique at room 

temperature for RF integrated system is also demonstrated in this dissertation. A 

multilayer phased array with three functional layers, a one-to-four Wilkinson power 

divider at the bottom, four GCPWs with mounted phase shifters at the middle, and four 

patch antennas at the top, is proposed as a proof of concept. All the relevant parts of this 

multilayer phased array are 3D printed at room temperature using the thermal wire-mesh 

embedding for the conductive portion and the thermoplastic extrusion technique for the 

dielectric portion. The measurement results of the functional parts are consistent with the 

simulation, but with higher loss. The main issue is the potential contact problems 

between the coaxial connector and the stripline/GCPW and between grounds and 

through-substrate vias. This issue may be solved by using copper foil instead of wire 

mesh in the printing process and using low-temperature soldering. This 3D printing 

process of both dielectrics and conductors has great potential to realize more 

sophisticated EM structures for microwave applications.  

Additionally, bandwidth limits of a reactively matched compact multi-band 

antenna are calculated based on the antenna equivalent circuit using Bode-Fano’s 

matching theory. These bandwidth limits are verified with matching networks consisting 

of ideal lumped elements. The bandwidth restriction determines the feasibility of an 

antenna design and offers a figure of merit for antenna optimization. The calculated 

theoretical bound considers ideal matching. In future work, it will be beneficial to study 

the bandwidth limit of an antenna matched by finite number of reactive elements with 
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practically constraint properties including finite values of capacitance and inductance, as 

well as loss. Besides, the bandwidth limit calculation can start from a rational function of 

the antenna response instead of an equivalent circuit model. The rational-function method 

does not need to provide a circuit topology but needs to ensure the physical realizability. 

More investigation on this regard will be useful. 

Finally, the power efficiency involving DC power consumption of electrically 

small antennas matched by loss-compensated non-Foster circuit is studied. The non-

Foster circuit of a negative capacitor is realized by a PEC parallel plate sandwiching a 

loss-compensated linear dielectric medium of a negative effective permittivity. It is 

demonstrated that the proposed loss-compensated non-Foster matching offers a little bit 

lower power efficiency (involving DC power consumption) compared with lossless 

passive matching, which means the non-Foster matching is not superior to lossless 

passive matching in terms of power efficiency. As a step forward, the power efficiency 

for more general active non-Foster matching networks that are non-linear can be 

investigated. 
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