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ABSTRACT 

This dissertation presents the investigation of novel electromagnetic structure, 

circuit, and material for microwave engineering. There are four topics covered in this work: 

the study of a waveguide filter at W-band frequencies using electromagnetic crystal 

(EMXT) surfaces, the design of a dual-band amplifier with flexible frequency ratio, the 

analysis and testing of a compact 4:1 planar combiner with complex matching, and the 

investigation of a dielectric nanostructured material using a mixture of polymer and silver 

nanoparticles. 

First, a rectangular waveguide band-stop filter using electromagnetic crystal EMXT 

surfaces is presented. A waveguide is loaded on the top and/or the bottom walls with 

EMXT surface, which has a propagating band gap. An equivalent circuit is developed to 

model the filter behavior and to predict its stop band. A W-band prototype based on the 

proposed filter architecture is designed and tested. The experimental results show a 

rejection band centered at 97 GHz and a rejection level of 16 dB. 

Second, a dual-band amplifier is demonstrated with flexible frequency ratios. The 

proposed amplifier features novel dual-band Wilkinson power divider/combiner that 

allows large frequency ratios between the first and second bands (2.16 to 4.9) between the 

first and second operating frequencies. The stand-alone combiner has maximum potential 

combining efficiency of 95% and 75% at the first and second frequency bands, respectively. 

A 2.4 / 5.8 GHz prototype amplifier is tested to verify its dual-band functionality. Measured 

linear gains are 12.85 dB and 11.09 dB at the first and second frequency bands, respectively. 

Third, a “spatial” combiner inspired power combiner / divider for solid-state 

amplifier application is presented. The proposed “one-stage” combining is realized by a 
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single port tapered to an oversized microstrip connecting to parallel multiport microstrip 

sections. Uniform amplitude/phase and complex impedance matching at the parallel 

multiport microstrips are simultaneously achieved by adjusting the geometry of the 

structure. A prototype 5 GHz 1-to-4 divider/combiner designed using ADS co-simulation 

is characterized. The measured combining efficiency of 82.4% is achieved at 5 GHz. 

Lastly, a nanostructure thin film with giant dielectric response is proposed by 

strategically dispersing silver nano-particles inside a Tropropylene glycol diacrylate 

(TRPGDA) polymer. The dielectric properties of the proposed thin film are experimentally 

extracted at the microwave frequencies. The measurement sample is prepared by laying a 

coplanar waveguide (CPW) line on the thin film that is supported by a glass substrate. Two-

port S-parameter measurements on the CPW are performed. Dispersion mechanism due to 

internal inductance of the CPW line when calculating the effective dielectric constant is 

investigated. The extraction involves conformal mapping approximation that uses closed-

form equations to calculate the dielectric constant and the loss tangent of each layer based 

on the effective dielectric constant and loss tangent of the entire structure. Alternatively, 

direct fitting technique using simulation to model the experiment is studied. The results of 

the two techniques are compared and discussed. The measured dielectric constant ranges 

from 30000 to 4600 from 1 to 20 GHz with a loss tangent of 0.55 to 1.75 from 1 to 20 GHz. 
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Chapter 1. Introduction 

Technical innovations and breakthrough in microwave technology have been key 

elements in advancing today’s wireless communication and sensing applications. With 

growing population of wireless users, devices like smartphones and tablets have also 

progressed with more functionality and data capability. This has led to a massive increase 

of wireless data traffic over the years. As wireless engineers seeking to overcome a 

universal bandwidth shortage, they look into higher frequencies in the millimeter-wave 

spectrum which allows larger bandwidth allocation and higher data rate. A brief overview 

of a millimeter-wave beam circuit (MBC) and its advantages as a millimeter-wave solution 

will be provided, followed by the inspiration that lead to the work of a W-band filter as a 

supplemental component. In addition, designs of microwave circuits have faced challenges 

including multi-band operation and size compactness. Wireless systems like worldwide 

interoperability for microwave access (WiMAX) and wireless local area network (WLAN) 

demand flexibility to operate in multiple frequency bands. Consequently, dual-band 

operation is a necessary requirement for these systems. The motivation of dual-band circuit 

components working at Wi-Fi frequencies will be further explored later in this chapter. 

Similarly, circuit size compactness is also an important feature for integrated circuit as 

system cost is typically dictated by the chip area. A space-saving microwave circuit that 

can serve the functions of a power combiner/divider and a matching network in a power 

amplifier will be introduced in this chapter. Meanwhile, composite dielectric materials with 

giant permittivity have attracted much attention for their potential applications including 

high-power microwave systems and energy storage. Currently, only a limited number of 

these materials are characterized in the microwave frequencies, and therefore limits their 
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potential microwave applications. An overview of past works on giant dielectric materials 

is presented, followed by the potential challenges for characterizing the proposed novel 

nano-structured dielectric thin film. Finally, the dissertation organization will be described. 

1.1. Millimeter-Wave Circuit 

The spectrums for which the Wi-Fi and the wireless local area networks (WLAN) 

are used were initially assigned by the FCC as the industrial, scientific, and medical (ISM) 

band, which allows unlicensed use of frequencies in the 900 MHz, 2.4 GHz, and 5.7 GHz 

bands. Most of the current wireless technologies are bounded by carrier frequencies 

between 800 MHz to 5.8 GHz.  The rise in popularity of smartphones, tablets, and other 

handheld devices has led to an exponential increase in wireless data traffic and bandwidth 

congestions. An attractive solution to the problem is to seek more bandwidth at higher 

frequencies. For example, a 1% bandwidth at 600 MHz is only 6 MHz (the bandwidth of 

one TV channel), and a 1% bandwidth at 60 GHz is 600 MHz (the bandwidth of 100 TV 

channels). A study has suggested that millimeter-wave frequencies could be used to 

supplement the currently saturated radio and microwave spectrum band for wireless 

communication [1]. Moreover, another advantage of operating at higher frequencies is the 

improved sensing and imaging resolution, as millimeter-wave technologies are used in 

automotive [2], security [3], and medical [4] applications. 

1.1.1. Challenge of Millimeter Wave 

Millimeter-wave region of the electromagnetic spectrum is considered to be the 

range of wavelengths from 10 mm to 1 mm, with the corresponding frequency band ranging 

from 30 GHz to 300 GHz and is sometimes referred to as the extremely high frequency 
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(EHF) range. Moving to millimeter-wave band can help solving the data bandwidth 

shortage; however, operating at higher frequencies can post new challenges. Typical solid-

state device power density operating in the microwave and millimeter-wave regions is 

proportional to 1/f2, where f is the operating frequency [5]. Available power from the device 

quickly decreases with an increase in operating frequency. Power combining for a power 

amplifier is necessary to meet the output power requirement. One of the commonly used 

combining schemes is a binary combiner, such as a Wilkinson topology. However, the 

efficiency of such combiner depends on the number of devices, and it will reach 

diminishing return once that number exceed a certain limit due to losses and cross coupling 

in the transmission lines [6]. Figure 1-1 shows the binary combiner power output decreases 

beyond 32 combined devices given a 0.25 dB loss per quarter wavelength. Moreover, the 

transmission line loss becomes a larger issue as dielectric and conductor losses increases 

with frequency as well. Commercially available power amplifiers have maximum single-

chip power output of 7 W, 2 W and 0.2 W at 3 GHz, 45 GHz, and 95 GHz, respectively. 

Power degradation with increase in operating frequency is apparent. 
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Figure 1-1. Loss comparison between quasi-optical and planar combiners [6]. 

 

1.1.2. Quasi-Optics Inspired Millimeter-Wave Beam Circuit 

Millimeter-wave beam circuit (MBC) [7] is a novel three-dimensional circuit 

architecture inspired by the concept of quasi-optical (QO) power combining and can 

potentially achieve all necessary transceiver components for communication and sensing 

applications. Figure 1-2 shows the diagram of a MBC system. In a QO power combining 

structure, free space is used as a medium to combine all active elements in parallel in a 

single stage. This method removes the need for planar transmission lines, thus eliminating 

loss and cross coupling associated with transmission-line based combiners. Figure 

1-1shows that the efficiency of a QO combiner is independent from the number of devices, 

and the output power of a QO combiner becomes greater than a binary combiner when 

more than 14 devices are combined (assuming 2 dB combing loss). Additionally, a typical 
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QO amplifier is usually done in experiments with focus Gaussian-beam system. However, 

in practical applications, amplifiers are packaged in waveguides with TE10 or over-moded 

operation. Deviating from the ideal spatial feed might cause design issues and performance 

degradation. For example, a TE10 mode operation has a non-uniform field distribution that 

saturates the devices in the center while under-utilizes near the edges of the waveguide. 

The non-uniform excitation of the active array in a packaged QO system may not be the 

ideal solution for applications that favor distributed power. 

 

Figure 1-2. MBC architecture with quasi-TEM waveguide feeding densely 
populated active device sheets. 

 
A MBC system is similar to a QO system, but it incorporates quasi-transverse 

electromagnetic (TEM) waveguides that are enabled by electromagnetic crystal (EMXT) 
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surface. The documentation from the previous work [8] on quasi-TEM waveguide have 

demonstrated propagating wave with uniform phase and field distribution. Additionally, 

the square cross-section of the waveguide is able to support quasi-TEM operation in both 

vertical and horizontal polarization, which is vital in a MBC system that uses orthogonal 

polarizations to isolate input and output signals. The continuation from the previous work 

has inspired the design of a waveguide filter as a supplemental component for a MBC 

system. The designed waveguide filter is also enabled by EMXT surfaces, and the details 

will be presented in chapter two including background on EMXT, followed by the analysis 

and testing of the filter. 

1.2. Flexible Dual-Band Amplifier 

Solid-state amplifiers are one of the most commonly used elements in every 

RF/microwave system including cellphones, base stations, terrestrial broadcast, wireless 

LANs, satellite communications, and telecommunications. Many of these systems are 

required to operate in multiple frequency bands. For a dual-band system like IEEE 

802.11a/b/g, there are a number of ways to implement dual-band architecture. One of the 

dual-band architectures adopts two single-band amplifiers in parallel [9]-[11]. Each 

amplifier is optimized at their operating frequencies, but the larger chip area can result in 

higher cost. Other works use single amplifier with switched elements like capacitors 

[12][13] and inductors [14][15] to make circuits more compact. There is also the concurrent 

dual-band technique which the switch-less matching networks and amplifiers are operating 

at dual frequencies [16]-[19]. This technique also helps reduce chip size.  

In this dissertation, a concurrent dual-band amplifier featuring novel dual-band 

Wilkinson power divider/combiner is presented. Figure 1-3 shows a simple block diagram 
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of the dual-band amplifier using the proposed Wilkinson circuit. Two broadband amplifiers 

are placed in parallel with each one receiving signals equal in amplitude and phase from 

the divider at the input, and the amplified signals being combined at the output. The 

proposed power divider is realized by replacing the conventional λ/4 transmission lines 

with a dual-band transmission line structures, which feature a flexible frequency ratio from 

2.16 to 4.9 [20]. Closed-form design equations are derived for the dual-band transmission 

line. A prototype circuit is fabricated to demonstrate a dual band Wi-Fi amplifier at 2.4 / 

5.8 GHz. Detailed design procedures and test results will be presented in chapter 3. 

 

Figure 1-3. Block diagram of the proposed dual-band amplifier. 

 

1.3. Compact Planar Combiner with Uniform Matching 

Followed by the design of a dual-band amplifier that emphasizes multi-band 

operation, the next part of the dissertation focuses on a planar power divider/combiner that 

features a space-saving design. Power divider and combiner are universally found in 

RF/microwave power amplifier where limited power from each solid-state device with 

roughly identical characteristics is combined to achieve the necessary power output. There 

are two commonly practiced power combining topologies: binary combining and spatial 

combining. Binary corporate combiners, such as Wilkinson power combiners, are 

straightforward combiners to combine two inputs into one output, as shown in Figure 
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1-4(a). The number of devices combined is generally 2N, where is N the number of 

combining stages. These combiners work quite well with small number of devices 

combined. As the number of combined devices increases, the number of combining stage 

is increased as well, thus increasing the loss of the combining network. One disadvantage 

of a corporate combiner is that the combining efficiency decreases with increasing number 

of devices [21]. On the other hand, spatial combiners, and such as quasi-optical combiners, 

are characterized by combining all active devices operating in parallel in one stage, as 

shown in Figure 1-4(b). Because of higher intrinsic losses in its passive structure, typically 

due to diffraction or higher-order mode excitation, a spatial combiner has poorer combining 

efficiency than a binary corporate combiner when combining small number of devices [21].  

However, the advantage of a spatial combiner is that the combining efficiency is roughly 

independent of the number of devices combined [21]. This makes spatial combiner a better 

choice when combining large number of devices. 

 

Figure 1-4. Diagram of (a) a binary corporate combiner and (b) a spatial combiner. 

 
Power amplifier using spatial or quasi-optical combiner has been widely developed 

[22]-[29]. These amplifiers involve three-dimensional structures that are more intricate to 
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handle mechanically and electrically than planar structures. They generally have larger 

physical size and additional complexity in modeling and fabrication. Quasi-optical 

combiners in planar structure have been demonstrated in [30]-[32], which have reduced 

volume compared to the three-dimensional combiner; however, these structures are still 

relatively complex to model and are not optimized for circuit integration. To improve 

circuit integration while allowing efficient power combining, there are several works on 

microstrip planar combiner with the implementation of the “one-stage” combining similar 

to the spatial combiner. The N-way power divider [33] has broadband operation, but the 

size of the circuit is restricted due to its design based on series of quarter wavelength 

transmission lines. The sectorial power divider [34] provides good amplitude and phase 

balance at the outputs; however, the ports at the output are not lined up on the same 

reference plane. The more recent integrated planar spatial power combiner [35] 

demonstrated good amplitude and phase balance with real impedance matching for a wide 

bandwidth. 

In this dissertation, a compact planar combiner is designed using microstrip with 

“one-stage” combining inspired by spatial combiner, as shown in Figure 1-5. This structure 

exhibits merits of both the corporate binary combiner and the conventional spatial 

combiner. The proposed combiner is realized by using a single-port microstrip tapered to 

an oversized width and is then connected to a set of parallel multiport microstrips. The 

entire structure maintains its planar form and no additional assembly is required. This 

allows ease of fabrication using regular planar circuit technology, and consequently 

interconnections to other planar circuit can be easily applied. Another attractive property 

of the proposed structure is the complex impedance matching that is intrinsically 
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implemented. By serving the dual purpose of impedance matching and power combining 

in a single structure, the proposed combiner can help reduce overall size of the power 

amplifier and reduce loss associated with longer/narrower transmission line. Design 

procedure and test result of the circuit will be discussed in chapter 4. 

 

Figure 1-5. Proposed planar power divider/combiner structure. 

 

1.4. Giant Dielectric Materials 

This part of the dissertation gives a brief overview on composite materials with 

enhanced dielectric response. The composite material is achieved by dispersing nano-

particles of metal or high-dielectric-constant ceramic into a low-dielectric-constant 

polymer or ceramic host. As a result of the mixture, a significant increase in overall 

dielectric polarizability is observed. Due to the ability to obtain giant permittivity, this type 

of nano-structured dielectrics have received extensive research interests [36]. The large 

permittivity of these nano-structured dielectrics may lead to many potential applications. 

It can help increase integration density of printed circuit boards [37]. The integrated circuit 

technology can use these materials to implement high-k gate dielectric [38] and embedded 

capacitors [39][40]. In antenna system, the high permittivity composite, designed with 
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high-loss property, can be used as lossy material to reduce crosstalk between adjacent 

antennas, and suppress surface wave and spurious radiation lobes [41]. 

1.4.1. Composite with Randomly Mixed Nano-Particles 

Several researches of nano-structured composite studied the effect of high dielectric 

constant ceramic nano-particles in a low dielectric constant polymer. The effective 

dielectric constant of ceramic-polymer mixture can be expressed by the Lichtenecker’s law 

[41] as 
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where εeff is the effective dielectric constant of the composite, εhost is the dielectric constant 

of the host polymer, εfiller is the dielectric constant of the ceramic filler, vf is the volume 

fraction of the filler, and k is a fitted constant depends on the composite material. The 

inclusion of the ceramic fillers in the polymer host allows increase in the effective dielectric 

constants 10-20 times of the hosting polymer, with the value of the dielectric constant in 

the hundreds at the kHz frequencies and in the tens in the MHz frequencies [42]-[44]. 

Composite materials with conducting fillers, on the other hand, produce dielectric 

constant at orders of magnitude higher than their counterparts with insulating fillers. For a 

metal-polymer composite, it undergoes a metal-insulator transition at certain filler 

concentration known as the percolation threshold. The transition is characterized by a rapid 

change of the conductivity and a divergence of the real part of the permittivity. According 

to the percolation theory [45], the dielectric constant of the metal-polymer composite 

experience a power-law behavior expressed as 



 
 

 

24 

 ( )sfnpercolatio

host
eff vv −

=
ε

ε
 , (1-2) 

where εeff is the effective dielectric constant of the composite, εhost is the dielectric constant 

of the host polymer, vf is the volume fraction of the conductive filler, vpercolation is the 

percolation volume fraction depends on the filler dispersion, size, and shape, and s is the 

scaling factor depends on the material properties and the microstructure of the composite. 

Giant permittivity caused by the incorporation of conducting fillers is due to large 

interfacial polarization and increase in the effective surface area of the electrodes [46]. 

While there have been studies on the modeling of the percolation phenomenon in a 

conductor-polymer nano-structured composite, it is still not clear how to accurately predict 

the dielectric behaviors of these kinds of materials [41][47]-[49]. Several studies of nano-

structured composite using conductive fillers such as nickel, aluminum, and steel have been 

reported with dielectric constant in the thousands in the kilo-hertz frequencies and in the 

hundreds in the mega-hertz frequencies measured by the impedance analyzer method [50]-

[52].  In addition, there are other studies of dielectric composite using carbon nanotubes 

and graphite nanoplates as the conductive fillers [53]-[55]. While there have been many 

reported studies on the nano-structured dielectric in the mega-hertz frequencies, only 

limited number of them performed material characterization in the giga-hertz microwave 

region. Nanocomposite films with carbon black filler are reported to have dielectric 

constant of 12-25 and loss tangent of 0.08-0.1 and 0.2-0.3 in the giga-hertz frequencies 

depending on the filling ratio [40]. It is also reported that Al2O3-SiC composites have 

dielectric constant of about 5.9-17.9 and loss tangent of about 0.1-1.6 in the giga-hertz 

frequencies depending on the heat treatment of the sample [56]. 
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1.4.2. Motivation and Challenges 

Many of the reported works on giant-dielectric composite materials have been 

characterized in the mega-hertz frequencies; however, for potential applications like 

embedded capacitors in high-speed circuit, it is important to characterize such materials in 

the giga-hertz spectrum.  Since many nano-structured dielectrics exist in thin film form, 

especially for applications involving high density multilayer capacitors, accurate 

microwave characterization of these thin films is very important. Dielectric property 

characterization of thin film materials at microwave frequencies have been widely reported 

with the most common example being the ferroelectric thin films such as Ba1-xSrxTiO3 

(BST) [57]-[59]. In general, the characterization methods utilized can be classified into 

three categories: resonator method, transmission line method and capacitor method. 

However, compared to most of the BST thin films with a dielectric constant on the order 

of hundreds, and a loss tangent between 0.02 and 0.2, the nano-particle dispersed polymer 

may have a dielectric constant on the order of thousands and a wide range of loss tangent. 

Due to the very large dielectric constant of composite materials with conducting 

fillers, quasi-TEM propagation cannot always be guaranteed depending on the test 

structure dimensions. Typically, this issue occurs when performing CPW measurement at 

very high frequencies, such as in W-band [60][61]. This is due to the testing frequency 

range overlapping the cutoff frequency of higher order modes. However, with the electrical 

size proportional to the dielectric constant, the multimode problem can also occur at lower 

frequencies when the dielectric constant is large enough. Therefore, it is not clear whether 

the conventional microwave techniques for thin film characterization would be adequate 

for this kind of materials with giant dielectric responses. 
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In this dissertation, nano-structured dielectric thin films made by dispersing silver 

nano-particle layers within a polymer Tripropylene glycol diacrylate (TRPGDA) are 

characterized from 1 to 20 GHz.  The coplanar waveguide (CPW) transmission line method 

is utilized because it is broadband and CPW lines incorporating the nano-structured thin 

films are easy to fabricate.  CPW transmission line properties are measured by on-wafer 

probing technique and calibrated by the short-open-load-thru (SOLT) standards.  A 

conformal mapping model is used to extract the intrinsic thin film properties from the 

measured transmission line properties [62]. To improve the accuracy of the extracted 

material properties, full-wave finite-element electromagnetic simulations are also 

performed to directly fit the measured CPW scattering parameters (S-parameters). Later in 

chapter 5, the fabrication of the nano-structures thin film will be presented, followed by 

test procedures and experimental results. 

1.5. Dissertation Organization 

This dissertation is a collection of works done that include millimeter-wave circuit, 

dual-band components, compact circuit structures, and dielectric characterization. Each of 

these focuses aims to contribute novelty and further understanding in microwave 

engineering. 

Chapter 2 presents a MBC inspired components, which is a W-band rectangular 

waveguide band-stop filter using electromagnetic crystal (EMXT) surfaces. The filter is 

loaded on the top and/or bottom waveguide wall with EMXT surface, which has a band 

gap that prevents the propagation of electromagnetic wave inside the waveguide. The 

dispersion properties of the filter are modeled using an approximated lumped-element 
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circuit. A prototype filter is fabricated and characterized. The experimental results are 

discussed. 

Chapter 3 describes the design of a dual-band amplifier with flexible frequency 

ratios. The amplifier includes a pair of Wilkinson power divider and combiner with dual-

band operation. The closed-form design equations of the featured Wilkinson circuit are 

derived. Large frequency ratio between the first and the second operating frequencies is 

demonstrated with experiment, and the measured results verify the design concepts. 

Chapter 4 proposed a compact planar combining architecture with uniform 

matching. The combining structure is realized by connecting a tapered single port 

microstrip line to the parallel multiport microstrip lines that have step impedance transition. 

Multiport matching is done by adjusting the taper transition and the step impedance. A 

prototype 4-to-1 combiner is designed and characterized. Results are discussed. 

Chapter 5 reports the microwave characterization of a nano-structured thin film 

consists of silver nano-particles within the Tropropylene glycol diacrylate (TRPGDA) 

polymer. The S-parameter measurements are carried out using wafer probing on coplanar 

waveguide fabricated on top of the thin film under test. The extraction of the dielectric 

constant and loss tangent are performed using conformal mapping and direct fitting 

techniques. The experimental results illustrated large dielectric response of the TRPGDA 

thin film. 

Finally, the conclusions and future work are discussed in Chapter 7. 
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Chapter 2. W-band Bandstop Filter Using EMXT Surfaces 

In this chapter, a W-band band-stop waveguide filter using two-dimensional EMXT 

surface as the top/bottom walls is analyzed and designed. Before going into the detail 

design procedures of the filter, the theoretical aspects of the EMXT surface are visited. The 

EMXT surface is realized using metal strip pattern on a grounded substrate connected by 

vias. In a previous work [63], this EMXT surface design has been implemented inside the 

quasi-TEM waveguide that is aimed to be used in a MBC system. Here, the EMXT surface 

is used as the top and bottom boundary inside of a waveguide to exhibit band-stop filter 

behavior. An equivalent circuit of the filter is used to model the stop-band properties. 

2.1. Background on EMXT Surfaces 

Over the years, there have been growing research interests in artificial 

electromagnetic materials, such as photonic crystals [63], electromagnetic band-gap (EBG) 

structures [64], and double negative (DNG) media [65]-[68]. These structures are generally 

classified as metamaterials. Typically, they are realized by periodic metallization pattern 

on dielectric substrate [69]-[71]. Metamaterials exhibit specific electromagnetic properties 

not commonly found in nature. These special properties have led to a number of 

applications. For example, patch antennas can enhance performance with implementation 

of EBG structures for surface-wave suppression [72]-[74]. The EBG structures are also 

referred as electromagnetic crystal (EMXT) for their periodic arrangement in the one-, two-, 

or three-dimensional directions. Particularly, the two-dimensional EMXT will be the 

discussed. 
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2.1.1. Electric and Magnetic Conductors 

 

Figure 2-1. Electric sources and their images near (a) a PEC and (b) a PMC [75]. 

 
A sheet conductor is commonly found in antenna applications as a reflector or a 

ground plane. The radiating properties of the antenna such as pattern, impedance, and 

directivity can be carefully controlled depending on the polarization of the radiating source 

and its position relative to the reflecting surface. One of the interesting properties of a 2D 

EMXT surface is its ability to provide different reflection phase response than a normal 

sheet conductor. The reflection phase is defined as the phase of the reflected electric field 

at the reflecting surface, normalized to the phase the incident electric field at the reflecting 

surface. A perfect electric conductor (PEC) has a reflection phase of 180 degrees (or out-

of-phase) for a normally incident plane wave, while a perfect magnetic conductor (PMC) 

has a reflection phase of 0 degree (or in-phase). Figure 2-1 shows the electric sources and 

their images near a PEC and a PMC. Additionally, a smooth sheet metal (approximately a 

PEC) is able to conduct surface current, also known as surface plasmon at optical 

frequencies [76]. In an antenna system with a finite ground plane, surface waves can 
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propagate to the edge of the ground plane and radiate, causing additional ripples and back 

lobes in the radiation pattern. Also, surface wave can result in unwanted coupling when 

antennas share a single ground plane. 

However, the electromagnetic properties of a reflecting surface can be altered using 

a patterned conductor sheet on a metal-backed dielectric substrate. By specifically 

designing a periodic metal pattern, the surface can have a high-impedance behavior instead 

of a low-impedance behavior that conducts surface current. For an incident electromagnetic 

wave, the periodic metal pattern will have reflection phase varies with frequency from -

180 to +180 degrees. When the reflection phase is zero at a specific frequency, the surface 

impedance is high, and the tangential magnetic field is small. At this frequency, the 

structure is sometimes described as a magnetic conductor. Due to its unique properties, this 

artificially made high-impedance surface can have interesting applications, such as using 

it as a new type of ground plane for antennas. For example, an electric dipole that lies flat 

near a high-impedance surface will radiate efficiently because its image current is in-phase 

rather than out-of-phase [76]. The current will not be out-of-phase as it would when near a 

PEC surface. In addition, the antenna pattern can be free of the interference from edge 

radiation since the current does not propagate on a high-impedance surface.  

2.1.2. Corrugated Surface as High-Impedance Surface 

Although PMC does not exist in nature, there has been work devoted to achieve 

PMC-like condition using an artificially hard surface [77]. An artificially hard surface is 

realized by corrugating a conductor with longitudinal grooves, which can be filled with air 

or dielectric material. The width of the groove is made narrow and electrically small. For 

transverse polarized incident waves, the corrugations behave as shorted parallel-plate 
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transmission lines. The short circuit at the bottom of the groove is transformed into an open 

circuit at the surface when the depth of the groove is at quarter wavelength. Hence, the 

surface impedance becomes very high. Figure 2-2 shows a corrugated surface with quarter 

wavelength grooves. 

 

Figure 2-2. A corrugated metal surface as a high impedance surface with quarter-
wavelength grooves [76]. 

 
With electrically small grooves, the electromagnetic property of the corrugated 

surface can be generalized in terms of boundary condition—surface impedance. At a 

certain frequency when the groove depth is corresponding to one quarter wavelength, the 

surface has high impedance. At a higher frequency when the groove depth greater than one 

quarter wavelength, the surface becomes capacitive. At a lower frequency when the groove 

depth is less than one quarter wavelength, the surface becomes inductive. There is a major 

disadvantage using corrugated surface as high-impedance surface in an application. For 

microwave frequency, it can be quite bulky due to relatively long wavelength (λ/4 = 2.5 

cm at 3 GHz). 
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2.1.3. Two-Dimensional EMXT as High-Impedance Surface 

A different type of high-impedance surface that received much more attention is 

the two-dimensional EMXT, which is much thinner than quarter wavelength. Periodic two- 

and three-dimensional structures that prevent propagation of electromagnetic wave at 

certain frequency range are known as electromagnetic crystals, or photonic crystals at 

optical frequencies. The frequency range at which the electromagnetic wave is forbidden 

to propagate is called the band gap, also known as energy gap or stop band. The high-

impedance surface used in the design of the filter is a two-dimensional EMXT. The surface 

impedance of the 2-D EMXT can be treated as a parallel inductor-capacitor circuit. At 

resonant frequency, this circuit has high impedance, which forbids surface current from 

propagating. 

 

Figure 2-3. Sheet capacitance and inductance in an EMXT unit cell. 

 
An EMXT surface is typically composed of a thin dielectric slab with front-side 

periodic conductor pattern that is via-connected to the ground plane on the back. Figure 

2-3 shows a simplified unit cell structure of an EMXT surface. For an incident 

electromagnetic wave, the EMXT surface presents the impedance of a parallel LC circuit. 

The capacitance is formed from the gap between adjacent metal patches on the top surface 

of the substrate. The inductance is formed from the grounded substrate with a certain 
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thickness. In parallel, the sheet capacitance and the sheet inductance behaves as effective 

sheet impedance in the followings: 
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where L and C are the equivalent sheet inductance and capacitance, and ω0 is the resonant 

frequency. Band gap of the EMXT surface occurs when it exhibits high impedance at the 

resonance. For an incident electromagnetic wave, the reflection coefficient of the EMXT 

surface has an inductive behavior below the resonant frequency, an open-circuit (high-

impedance) behavior at the resonant frequency, and a capacitive behavior above the 

resonant frequency, as shown in Figure 2-4.  

 

Figure 2-4. Reflection response of an EMXT surface plotted on Smith Chart. 

There are several types of EMXT surfaces studied in the literature. Two of the more 

relevant structures will be discussed here. The first EMXT surface to be discussed is a 

honeycomb structure, which is one of the earlier and the most referenced works that is 
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proposed by Sievenpiper [76]. The second EMXT surface to be discussed is a metal strip 

structure, which is used for the designed W-band waveguide filter in this work. 

Sievenpiper proposed a periodic honeycomb structure as a high-impedance surface, 

shown in Figure 2-5 and Figure 2-6. This structure consists of a hexagonal array of 

thumbtacks or mushrooms placed on a sheet conductor. The size of the hexagonal unit cell 

is small compared to the resonant wavelength (< λ/7); hence, the behavior of the surface is 

approximately modeled as a frequency-dependent surface impedance. Periodicity of the 

structure means that each hexagon is separated by an equal gap, which presents a 

capacitance for a transverse electric field. The thin dielectric slab sandwiched between the 

top hexagons and the bottom ground plane can be viewed as a short-circuited transmission 

line, which presents an inductance given that the transmission line is short. In Sievenpiper’s 

structure, the bandgap is presented in all directions for surface current because the 

periodicity is also presented in all directions along the EMXT surface. 

 

Figure 2-5. Cross-section view of the honeycomb EMXT high-impedance surface. 

 

Figure 2-6. Top view of the honeycomb EMXT high-impedance surface. 
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Unlike the honeycomb structure, the metal-strip structure is able to support current 

flow along the direction of the metal strip [78]. While the honeycomb surface has high 

impedance for incident wave with different polarizations, the metal-strip surface only 

presents high impedance for incident wave with electric field across the gap between two 

strips. Electric field polarized along the strip is shorted by the conductor. Figure 2-7 and 

Figure 2-8 shows the cross-section and top views of the metal-strip EMXT surface. This 

polarization-sensitive EMXT surface is vital for building a dual-polarization quasi-TEM 

waveguide for an MBC system [63]. In addition, the same EMXT structure can be re-

purposed in a similar system as a filter if the placement and the orientation of the surface 

are altered, which will be discussed in a later section. Similar to the honeycomb structure, 

the unit cell of the metal-strip surface can also be modeled as a parallel LC circuit. The gap 

between metal strips forms capacitance, and the ground dielectric slab forms inductance. 

 

Figure 2-7. Cross section view of a metal-strip EMXT high-impedance surface. 

 

 

Figure 2-8. Top view of a metal-strip EMXT high-impedance surface. 
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2.2. W-Band Band-Stop Filter Design 

Due to the unique property of an EMXT surface that is able to artificially provide 

high surface impedance, it has been found in waveguide and filter applications such as 

quasi-TEM waveguides [79][80], band-pass filter [81][82], and band-stop filter [83]. 

Particularly, the previous work done on W-band dual-polarization quasi-TEM waveguide 

[63] has led to further effort on development of a W-band waveguide band-stop filter. 

The configuration of the waveguide band-stop filter is shown in Figure 2-9 . 

Assuming wave propagation in the z direction, the air-filled rectangular waveguide has a 

waveguide width of a in the x direction, and a waveguide height of b in the y direction.  

The bottom wall of the waveguide is loaded with an EMXT surface. Figure 2-10 is the top 

view of the EMXT surface used. It is a thin dielectric substrate with the front side made of 

periodic metal strips and the backside completely metalized. The substrate is populated 

with vias that connect the metal strip to the backside ground plane to prevent undesired 

substrate waves. At the unit cell level, the capacitive coupling between the adjacent metal 

strips and the inductive response associated with the grounded substrate form a resonant 

structure. Due to the resonant nature of the EMXT surface, high surface impedance is 

observed at the resonant frequency. 

 
 

Figure 2-9. A waveguide band-stop filter with bottom wall loaded with EMXT 
surface. 
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Figure 2-10. Top view of the EMXT surface. 

 

2.2.1. Equivalent Circuit Model 

Generally, the analysis of an EMXT surface is performed using unit cell approach 

[84]. The simulated reflection coefficient versus frequecy of a normally incident wave on 

a unit cell is usually sufficient to characterize the properties of an infinite EMXT surface. 

With appropriate boundary conditions, response of an EMXT surface to an oblique incident 

wave can also be found. The magnitude of the reflection coefficients specifies the loss of 

the EMXT surface, while the phase the reflection coefficents identifies the bandgap of the 

EMXT surface. It will be reasonable to claim that the stop-band of the filter is related to 

the bandgap of the EMXT surface. However, a more detail analysis is needed to have a 

better understand of the filter design. 
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Figure 2-11. Lumped-element circuit model of the waveguide band-stop filter. 

 
To unveil the band-stop waveguide working principle, an equivalent circuit model 

is proposed as shown in Figure 2-11. The model is a cascade of the responses from the 

section of conventional rectangular waveguide and from the section loaded with EMXT 

surface. Inside the waveguide, the bottom wall alternates periodically between metal and 

non-metal surfaces. The metallic section behaves as a conventional rectangular waveguide. 

Using the transmission line equation, the dominant TE10 mode of a rectangular waveguide 

is expressed by the modal voltage and current. 

 LIj
dz
dV ω−=  (2-3) 

 CVj
dz
dI ω−=  (2-4) 

where L and C are the per-unit-length series inductance and shunt capacitance of the 

transmission line model of the rectangular waveguide, respectively (Zwg = jωL + (jωC)-1). 

They can be expressed as 
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where f is the operating frequency, fc is the cutoff frequency of the TE10 mode, and Z0 is 

the power-voltage definition of the characteristic impedance of a rectangular waveguide, 

as well as  μ = μ0, ε = ε0, and η = η0 assuming an air-filled waveguide. The non-metallic 

gap section is modeled as a parallel LC circuit, illustrated as Ls and Cs [85] in Figure 2-11, 

coupled to a grounded substrate by a transformer of 1:1 ratio. The model of the grounded 

substrate uses similar concept as a corrugated surface, where each gap section of the filter 

is approximated as a dielectric-filled groove [86].  Following this approximation, each gap 

section is modeled by treating the space between two rows of vias as a small waveguide 

with short termination. For this small waveguide, the dimensions a, p, and h are its width, 

height and length, respectively, as illustrated in Figure 2-9 and Figure 2-10. The modeled 

Ls and Cs together with the small waveguide in the EMXT substrate forms an admittance 

when they are placed in parallel. The admittance Ygap of the non-metallic gap section is 
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where Zs and βs are the characteristic impedance and propagation constant of the wave in 

the substrate of the gap section, respectively. Meanwhile, h is the substrate thickness, εr is 

the substrate dielectric constant, and p is the unit cell periodicity. By applying the Bloch-
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Floquet theorem [87] to the unit cell, the dispersion relation of the waveguide filter is given 

by 

 ( ) 
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 CjY ω= . (2-13) 

where Z is the series impedance and Y is the shunt admittance of the unit cell. Additionally, 

using image symmetry, a single-walled EMXT filter can be used to model a double-walled 

EMXT filter of twice the waveguide height. This can reduce simulation size by a half while 

producing the same simulation results. As illustrated in Figure 2-12, S-parameters are 

compared between a single-walled filter at height b and a double-walled filter at height 2b 

using EMXT surfaces with a length of eight unit cells (8p) instead of infinite length. The 

results are identical. 

 

Figure 2-12. HFSS simulated S-parameters of a single-walled (sw) and a double-
walled (dw) filter with waveguide height b and 2b, respectively. 
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2.2.2. Filter Design and Eigen-mode Analysis 

The design parameters of an EMXT surface are substrate dielectric constant, 

substrate thickness, strip width and gap, substrate via radius and periodicity. Here the 

designed EMXT surface has the following parameters: εr = 2.2, h = 0.381 mm, w= 0.381 

mm, g = 0.127 mm, r0 = 0.076 mm and p = 0.508 mm. For a WR-10 waveguide (a = 2.54 

mm and b = 1.27 mm) with the bottom wall loaded with an EMXT surface, the dispersion 

diagram of the filter is plotted in Figure 2-13. The results from the dispersion relation 

calculation and the Ansys HFSS eigenmode simulation both predict a band gap at about 

84-90 GHz. 

 

Figure 2-13. Dispersion diagram of the designed waveguide band-stop filter. 

 
The eigen-mode simulation can be used to evaluate the propagation constant of the 

modes of the waveguide filter and reveal the lowest N modes allowed, where N is the 

number of modes (N = 3 for this simulation). Eigen-modes are the natural modes supported 

by the boundary conditions of a waveguide or a cavity. They can be different propagating 

waves in a waveguide or different resonances in a cavity. To perform the eigen-mode 

simulation for the waveguide filter, master and slave boundaries must be defined. Master 

and slave boundaries are typically used to model periodic structure where the electric field 
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on one surface matches the electric field on another surface with a certain phase difference. 

The solver forces the electric field at each point on the slave boundary to match the electric 

field to within a phase difference at each corresponding point on the master boundary. This 

is useful for simulating structure of infinite arrays. Unlike the symmetry boundaries, the 

fields need not to be tangential or normal to the boundary surfaces. 

 

Figure 2-14. Setup of master and slave planes for the half waveguide filter eigen-
mode simulation. 

 
While setting up the eigen-mode simulation for the EMXT waveguide, there are 

several important factors need to be considered. First, the EMXT substrate must be 

included as part of the master and slave boundaries, or else the result will be inaccurate. 

As shown in Figure 2-14, the master boundary is defined on the front side and the slave 

boundary is defined on the back side. Second, the geometry of the master and slave 

boundaries must match one another. For example, a square must matches to a square of the 

same size. Last, the coordinate system needs to be specified for the boundaries. The master 



 
 

 

43 

and slave planes each have a pair of U and V reference vectors. The direction of the U and 

V vectors from the master and slave planes needs to match each other. 

The result of the simulation shows the eigen-mode frequencies associated with each 

phase shift between the master and slave planes. In this case, the phase shift is varied from 

1 to 359 degrees with 2-degree step for a total of 180 solution points. A dispersion diagram 

can then be obtained from the eigen-mode results by calculating the respective propagation 

constant as a function of phase shift (2-14), 

 
d
θβ =  (2-14), 

where β  is the propagation constant, θ  is the phase difference, and d  is the distance 

between the master and slave planes. This was the method used to obtain result shown in 

Figure 2-13. Details of the simulation setup are illustrated in Appendix A. 

 In addition, the result of the eigen-mode simulation with different waveguide 

dimension can reveal the size dependence of the filter stop band. Figure 2-15 shows the 

eigen-mode results of the lowest three modes of a 60 mil x 60 mil (3 x 3 in unit cells) 

waveguide filter. The stop band occurs at about 106 to 120 GHz. Figure 2-16 shows the 

eigen-mode results of the lowest three modes of a 100 mil x 100 mil (5 x 5 in unit cells) 

waveguide filter. The stop band occurs at about 84 to 90 GHz. Figure 2-17 shows the eigen-

mode results of the lowest three modes of a 100 mil x 50 mil (5 x 2.5 in unit cells) 

waveguide filter. The stop band occurs at about 84 to 108 GHz. By reducing the size of the 

waveguide cross section from (100mil)2 to (60mil)2, the stop band is shifted to a higher 

frequency with a larger bandwidth. In the meantime, when the height of the waveguide is 

reduced from 100 to 50 mil, the lower limit of the stop band remains unchanged while the 

upper limit of the stop band shifted to a higher frequency, resulting in a larger bandwidth. 
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Figure 2-15. Simulated eigen-mode results of a 60mil x 60mil waveguide filter. 

 

 

Figure 2-16. Simulated eigen-mode results of a 100mil x 100mil waveguide filter 
(prototype). 
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Figure 2-17. Simulated eigen-mode results of a 100mil x 50mil waveguide filter. 

 

2.2.3. Characterization of the Band-Stop Filter 

To verify the design concept, a prototype waveguide filter is designed with a 

rejection band centered at 87 GHz. The filter is configured with both the top and the bottom 

walls loaded with EMXT surfaces, which is fabricated using Duroid 5880 substrate with 

0.25-ounce copper cladding. Figure 2-18 shows a drawing of the EMXT filter test fixture. 

The test fixture is connected to WR-10 feeds at both input and output. A quarter-wave 

transformer section is used to match the WR-10 section to the EMXT filter section. The 

EMXT filter section holds EMXT surfaces with a length of four unit cells. S-parameter 

measurements are done using an Agilent E8361A Vector Network Analyzer after a full 

two-port WR-10 waveguide calibration at W-band (75-110 GHz). 
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Figure 2-18.  Drawing of the EMXT filter test fixture. 

 
As shown in Figure 2-19, the EMXT filter has a measured stopband centered at 97 

GHz spanning 94.7-99.4 GHz (for |S21| < -10dB). Compared to the measured result, the 

HFSS simulated stopband is centered at 87 GHz, which is a 9.3% discrepancy in frequency. 

The measured rejection level is 16 dB at 97 GHz. Outside the stopband, the transmission 

loss is roughly 3 to 7dB. Large return loss up to 2.6 dB is measured in the stopband, as 

shown in Figure 2-20. Also, measured and simulated return loss has a similar frequency 

discrepancy. The deviation between the measurement and the simulation is most likely due 

to assembly misalignment and manufacturing imperfection. 

 

 Figure 2-19. Measured vs. simulated S21 of the EMXT band-stop filter. 
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Figure 2-20. Measured vs. simulated S11 of the EMXT band-stop filter. 

 
In conclusion, a waveguide band-stop filter using EMXT surfaces has been 

investigated. The analysis by equivalent lumped-element circuit model shows good 

agreement with the full-wave simulation in predicting the filter stopband. A prototype 

EMXT filter has been successfully demonstrated with a rejection band centered at 97 GHz 

and a rejection level of 16 dB. 
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Chapter 3. Dual-Band Amplifier with Flexible Frequency Ratio 

Following the works done on the W-band filter for MBC system, this chapter will 

explore the dual-band circuit component for microwave applications, particularly a dual-

band amplifier with flexible frequency ratio. First, the concept and the mathematical 

equations of a dual-band Wilkinson power divider will be explained. Then, the synthesis 

of the dual-band Wilkinson power divider for Wi-Fi frequencies will be described. Finally, 

the integration of the divider and the amplifier and the fabrication procedure as well as 

measurement results will be discussed. 

3.1. Dual-Band Wilkinson Power Divider 

The proposed amplifier design begins with the analysis of the dual-band Wilkinson 

divider. There have been reports on the implementation of dual-band Wilkinson power 

divider using various techniques. Dual-band Wilkinson power divider with fixed frequency 

ratio (f2/f1 = 2) have been designed using lumped element equivalent circuits [89] and 

stepped impedance transformers [90]-[92]. Later papers demonstrated that dual-band 

Wilkinson power dividers with controllable frequency ratios using lumped elements such 

as capacitors and inductors [93]-[95] might give rise to issues related to parasitic loss. 

While there are power dividers based on dual-band transmission lines with open or shorted 

stubs as presented in [96]-[99], the frequency ratio is rather limited due to less design 

variables. 

Figure 3-1 shows the structure of a conventional Wilkinson power divider, which 

has two λ/4 transmission lines with characteristic impedance of 70.7 Ω assuming an equal 

magnitude output in a 50 Ω system. A Wilkinson divider can achieve matching at all three 
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ports with good isolation between the output ports; however, this three-port network is not 

lossless. To realize a Wilkinson power divider for dual-band operation, the conventional 

λ/4 lines are replaced by a dual-band transmission line shown in Figure 3-2. The network 

is designed to behave as a λ/4 transmission line at two frequencies. This network consists 

of an open-ended stub and a short-ended stub in the center of a uniform transmission line. 

 

Figure 3-1. Schematic of a conventional 3dB Wilkinson power divider. 

 

 

Figure 3-2. Schematic of the proposed dual-band transmission line. 

 
 

The response of each section of the proposed dual-band structure can be represented 

by an ABCD matrix. For the uniform transmission lines at two ends of the circuit, the 

ABCD matrix is simply 
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where Z1 is the line impedance of the uniform transmission line and θ1 is the electrical 

length of the uniform transmission line. For the stubs, the ABCD matrix is represented by 
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where Y is the total admittance of the open and short stubs. The admittance is simply the 

inverse of the impedance, which can be calculated from the input impedance of a loaded 

transmission line, 
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where Zopen and Zshort are the line impedance of the open stub and the short stub respectively, 

θopen and θshort are the electrical length of the open stub and the short stub respectively. 

By cascading the ABCD-matrices of the stubs and the transmission lines, the total 

ABCD-matrix of the dual-band network is written as 
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 Meanwhile, the ABCD-matrix of a normal λ/4 transmission line is 
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where Zc is the characteristic impedance of the transmission line. Algebraic manipulation 

begin with AT of equation (3-5), which is 

 









−−−=

shortshortopen

open
T ZZ

ZA
θ

θ
θθθθ

tan
1tan

cossinsincos 1111
2

1
2 , (3-7) 

and let it equals to 0 as shown in equation (3-6) gives, 
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Next is to calculate BT of equation (3-5), which is 
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and let it equals to jZc as shown in equation (3-6) gives 
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Substitute equation (3-9) into the parenthesis of equation (3-11) should give 
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Substituting Z1 from equation (3-14) into equation (3-9) should give 
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In the meantime, the electrical length of the stubs and transmission lines at the desired 

working frequencies (f1 and f2) becomes 

 πθθθ 1
21

1
1 n

ff
f

shortopen +
=== , (3-16) 

where the length is referenced to the first operating frequency (f1) and n1 = 1, 2, 3… The 

length of each section can be different for more design freedom; however, they are set 

equal in this design. Based on the derived electrical length and line impedance of the stubs 

and transmission lines, the physical dimensions of the proposed dual-band Wilkinson 

divider can be obtained. 

To summarize the design methodology of the proposed dual-band Wilkinson power 

divider, the design procedures are described as follows: 

1) Use Equation (3-16) to calculate the electrical length of the stubs at the desired 

operating frequencies. 

2) Use Equations (3-14) and (3-15) to calculate the characteristic impedance of the stubs 

given that characteristic impedance Zc = 70.7Ω (assuming 50Ω system). 

3) Calculate the dimensions of the stubs and lines based on the values obtained in the 

previous two steps. 

Theoretically, the frequency ratio of the proposed dual-band Wilkinson circuit can 

be as large as desired. However, the realizable frequency ratio is restricted by the 

fabrication limit of the line width, which is related to the line impedance. For example, on 

a Duroid 5880 substrate with 31 mil thickness, the microstrip line impedances of 20 Ω and 

120 Ω are corresponding to about 323 mil (8.2 mm) and 17.8 mil (0.45 mm), respectively. 

Therefore, the realizable line impedance is restricted. To understand the frequency ratio 

limitation, the line impedances, Z1, Zopen, and Zshort from Equations (3-3)-(3-5) are plotted 



 
 

 

53 

in Fig. 3-3 as a function of the frequency ratio (f2/f1), assuming n1 = 1 for circuit 

compactness. By setting a practical impedance range from 20 Ω to 120 Ω, further 

examination on Figure 3-3 shows a large frequency ratio from 2.16 to 4.9 can be achieved. 

The lower limit of the frequency ratio is determined by the line impedance of the open stub 

at 120 Ω (lower limit of the line width), while the upper limit of the frequency ratio is 

determined by the line impedance of the uniform transmission line also at 120 Ω (lower 

limit of the line width).  Because there are two variables used in Eq. 3-5: Zopen, and Zshort, 

there can be multiple solutions for a given frequency ratio. By applying different 

combinations of impedance values for Zopen and Zshort, wide range of the frequency ratio 

can be achieved. 

 

Figure 3-3. Calculated stub impedance of the proposed dual-band transmission line 
as a function of the frequency ratio. 
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3.2. Synthesis of the Dual-Band Wilkinson Circuit 

In an amplifier that consists of parallel gain devices, passive networks are necessary 

at the input and output of the devices to route the signal. A divider is needed at the input to 

distribute signal from a single port to the active devices in parallel while a combiner is 

needed at the output to deliver the amplified signal from the parallel devices to a single 

port. The design of the proposed amplifier begins with a prototype 2.4/5.8 GHz dual-band 

Wilkinson divider. The divider is designed using microstrip topology built on a 31-mil 

thick Roger’s Duroid 5880 laminate with a dielectric constant of 2.2 and a loss tangent of 

0.0009, and a substrate thickness of 31-mil. Figure 3-4 shows the schematic of the proposed 

dual-band circuit, which has both an open-ended stub and a short-ended stub at the center 

of a uniform transmission line. The ends of short-end stubs are connected to the ground 

through vias. By following the design procedures described in the previous section, the line 

impedance and electrical length are calculated for each of the stub and transmission line 

section. The calculated electrical length of the stubs and transmission line is 53.45º at 

2.45GHz. The line impedances of the open-ended stub, the short-ended stub, and the 

transmission line are 120 Ω, 31.42 Ω, and 52.59 Ω respectively. By converting the derived 

parameters into physical dimensions, as listed in Table 3-1, the circuit was fabricated 

through the method of photolithography and copper etching. Figure 3-5 shows the 

fabricated circuit that has an area of 4.9mm × 4.8mm. The open-ended stubs are folded in 

the center to reduce circuit foot print. However, it is worth to mention that the location of 

the SMA connectors is important to the accuracy the measurement. 

Table 3-1. Dimensions of the Dual-Band Wilkinson Power Divider 
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Variables Impedance Width 
Length @ 

2.4GHz 
Length 

Z1 52.59 Ω 87.50 mil 53.45º 534.0 mil 

Zopen 120 Ω 17.80 mil 53.45º 556.7 mil 

Zshort 31.42 Ω 180.84 mil 53.45º 521.9 mil 

 

 

Figure 3-4. Schematic of the proposed dual-band Wilkinson power divider. 

 

 

Figure 3-5. Photograph of the fabricated dual-band Wilkinson power divider. 

 
Prior to fabrication, the circuit was modeled in Agilent Advance Design System 

(ADS) schematics. When the fabrication was completed, the circuit was measured from 1 
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GHz to 7 GHz using an Agilent E8361A vector network analyzer with SOLT calibration. 

Figure 3-6 to Figure 3-11 show the simulated and measured S-parameters of the designed 

dual-band Wilkinson power divider. The measured center frequencies are 2.2 GHz and 5.3 

GHz. There is approximately 8% difference between the designed and the measured center 

frequencies, which is likely due to fabrication tolerance. A further examination of the 

microstrip width reveals various degrees of under-etching and over-etching in the circuit. 

The most significant influence is likely due to the over-etching of the open stubs near the 

center of the circuit, where the difference between the designed and fabricated width is as 

large as 12%, as illustrated in Figure 3-12 and Figure 3-13.   Using the results shown in 

Figure 3-6, the input return losses are 15.6 dB and 13.73 dB at 2.2 GHz and 5.3 GHz, 

respectively. Figure 3-7 shows the output return losses at port 2 (and roughly similar port 

3 by circuit symmetry in Figure 3-8) are 19.96 dB and 19.98 dB at 2.2 GHz and 5.3 GHz, 

respectively. Figure 3-9 shows the insertion losses at port 2 (and roughly similar port 3 by 

circuit symmetry in Figure 3-10) are 3.27 dB and 4.88 dB at 2.2 GHz and 5.3 GHz, 

respectively. Meanwhile, the port isolations are 22.54 dB and 13.56 dB at 2.2 GHz and 5.3 

GHz, respectively, as illustrated in Figure 3-11. 



 
 

 

57 

 

Figure 3-6. Simulated and measured S11 of the Wilkinson power divider. 

  

Figure 3-7. Simulated and measured S22 of the Wilkinson power divider. 

 

Figure 3-8. Simulated and measured S33 of the Wilkinson power divider. 
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Figure 3-9. Simulated and measured S21 of the Wilkinson power divider. 

 

Figure 3-10. Simulated and measured S31 of the Wilkinson power divider. 

 

Figure 3-11. Simulated and measured isolation between port 2 and 3. 
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Figure 3-12. The designed width and the corresponding line impedance of the dual-
band Wilkinson power divider. 

 

 

Figure 3-13. The fabricated width and the corresponding line impedance of the 
dual-band Wilkinson power divider. 
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Prior to the circuit shown in Figure 3-5, a circuit was fabricated with shortened 

output transmission lines while attempting to reduce the overall size of the circuit. Because 

the microstrip was too short, the tip of the SMA center conductor was touching the edge of 

the bend of the output transmission line, as shown in Figure 3-14. This occurrence causes 

a deviation in the measured S-parameter. Particularly in the second frequency band, the 

reflections at both the input and the output are increased, and the bandwidth is reduced. 

This problem was later solved with a circuit fabricated with proper length for the output 

transmission line. 

 

Figure 3-14. SMA connection at the output transmission line that is too short. 

 
High combining efficiency and signal coherence are important design objectives of 

a power combiner. Intrinsically, the proposed dual-band Wilkinson circuit has excellent 

signal coherence performance due to circuit symmetry. Assuming circuit symmetry and 

equal signal amplitude and phase, the maximum potential combing efficiency [100] can be 

estimated as 
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The measured combining efficiency calculated by (6) is shown in Figure 3-15. High 

combining efficiency above 95% is achieved at the first operating frequency. On the 

contrary, the combining efficiency is lowered to around 75% near the second operating 

frequency. The calculated efficiency is consistent with the measured S-parameter results. 

The S11 and S22 results show relatively small reflections, which indicate good matching at 

the ports. Yet the S21 result shows more lossy transmission at the second frequency band. 

Reduced efficiency is contributed by several loss mechanisms, such as resistor parasitics, 

lossy soldering bumps, and higher SMA connector loss at higher frequencies. A null 

prevents wave propagation at 4.35 GHz, which separates the two operating bands. 

 

Figure 3-15. Measured and simulated combining efficiency of the proposed dual-
band Wilkinson circuit. 

 

3.3. Implementation of the Dual-Band Amplifier 

Following the design methodology, a dual-band amplifier is designed at 2.4 / 5.8 

GHz. A photograph of the implemented amplifier with the proposed dual-band Wilkinson 
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the circuit. The part number of the amplifier is ADL5541 from Analog Device [25]. Its 

typical gain is 14.5 dB at 2.4 GHz with a nominal range of 13.9 to 15.1 dB, and is 11.2 dB 

at 5.8 GHz with a nominal range of 9.1 dB to 13.5 dB. The output 1-dB compression point 

P1dB is typically 14.9 dBm at 2.4 GHz and 5.8 dBm at 5.8 GHz. The circuit components 

are populated on a 31-mil thick Roger’s Duroid 5880 laminate (εr = 2.2 and tanδ = 0.0009) 

with an area of 110 mm × 80 mm. The area of the circuit is determined by the size of the 

aluminum test fixture, which will provide mechanical support of the Duroid board under 

measurement. Photo of the test fixture is shown in Figure 3-17. 

 

Figure 3-16. Photo of the fabricated dual band amplifier. 
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Figure 3-17. Test fixture (arrows point to the valid SMA connecting locations). 

 

3.3.1. PCB Layout and Small Component Soldering 

The most challenging part of the circuit fabrication is perhaps the soldering process 

of the amplifier package. There are eight pins that need to be connected in an area of 3.45 

mm x 1.78 mm. The recommended PCB land pattern for soldering is shown in Figure 3-18. 

There are six surface mount components (inductor and capacitors) recommended by the 

manufacturer for amplifier biasing network. A diagram of the DC biasing of the amplifier 

is shown in Figure 3-19. The design of the PCB layout for the circuit must consider the 

followings: 1) minimum feature size of wet etching at 8 mil; 2) placement of the small 

surface-mount biasing components relative to the amplifier; and 3) diameter of the via that 

locates directly under the amplifier must be smaller than the landing pad. Given the listed 

considerations, the PCB layout near the amplifier area is shown in Figure 3-20. 
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Figure 3-18. Landing pattern of the ADL5541 amplifier package. 

 

 

Figure 3-19. Diagram of the biasing network of ADL5541. 
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Figure 3-20. PCB layout near the amplifier that includes RF input/output and DC 
bias network. 

 
A negative mask is printed based on the PCB layout. Using the mask for 

photolithography and later copper etching, a bare PCB for the circuit is obtained. It is 

recommended to prepare enough PCBs and lumped element components for at least 4 

circuits, because there is no guarantee that the soldering will be successful on the first 

attempt. Given author’s insufficient experience with small surface mount components and 

somewhat shaky hands, the successful measurement came after three failed boards. To help 
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future encounters with small component soldering, some soldering tips are documented 

below. 

For the grounding via directly located under the amplifier, it is crucial to maintain 

smooth metal surface after via is connected, because the amplifier needs to be very flat on 

top of it. The process started by using a drill bit of 0.7 mm to make a hole at the center of 

the amplifier landing pad. A piece of a wire with similar or slightly larger diameter is cut 

at a length equal to the thickness of the Duroid substrate. The wire piece should resemble 

the geometry of a cylinder, and is then insert into the hole created by the drill. The wire 

should fit snug. Then, a thin layer of solder is melted at both ends of the wire to establish 

connection. A multi-meter should be used to verify. 

The amount of the solder used at the connection between the pad under the package 

and the metal on the PCB can influence the circuit performance. It is a good practice to use 

just enough solder to establish a good connection for cleanness and low resistance. This is 

particular important given that the gap between the RF pad and ground pad is very small, 

which could cause a short circuit by accident if not careful. Because the soldering pads of 

this particular amplifier package are flat on the bottom (no line of sight from the top), it is 

quite challenging to solder and impossible to visually inspect the connection. After many 

practice, a two-step soldering process is used to accomplish a clean connection. Step one 

is to melt a small amount solder on the PCB metal where the pad will be connected to. Step 

two is to land the pad on the solder, then heat the metal near the solder. If done correctly, 

the solder will melt and flow under the pad. A connection should be established when the 

solder cured momentarily. The success rate is not 100%, but it should improve with more 
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experience. It is also helpful to perform the small-component soldering under a magnifying 

glass or a microscope. 

3.3.2. S-Parameter and Power Measurements 

To measure the S-parameters of the dual-band amplifier, an Agilent E8361A vector 

network analyzer, which is calibrated from 1 GHz to 7 GHz by SOLT method, is used. 

Figure 3-21 to Figure 3-23 show the simulated and measured S-parameters of the amplifier 

biased at 5 V. The measured center frequencies occur at 2.25 GHz and 5.5 GHz, which 

represents approximately 5-6% difference compared to the designed 2.4 GHz and 5.8 GHz. 

This is again likely due to the fabrication tolerance. The measured magnitude of the S-

parameters at 2.25 GHz and 5.5 GHz are 12.48 dB and 12.07dB for S21, -13.42 dB and -

6.47 dB for S11, and -23.25dB and -11.43 dB for S22, respectively. The measured and 

simulated S21 agree quite well in the first frequency band. However, the agreement is not 

as well in the second frequency band, where the bandwidth is reduced on the high side. 

 

 

Figure 3-21. Simulated and measure S21 of the amplifier in dB. 
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Figure 3-22. Simulated and measure S11 of the amplifier in dB 

 

Figure 3-23. Simulated and measure S22 of the amplifier in dB. 

 

Figure 3-24. Input power vs. output power at 2.25GHz and 5.50GHz 
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The large signal performance of the amplifier is measured using an Agilent E8257C 

analog signal generator and an Agilent E4407B spectrum analyzer. Figure 3-24 shows the 

measured output power vs. input power. The output 1-dB compression at 2.25 GHz and 

5.5 GHz are 19.84 dBm and 10.86 dBm, respectively. Table 3-2 shows the summary of the 

measured values. 

Table 3-2. Performance Summary of the Dual-Band Power Amplifier 

Operating Frequency 2.25 GHz 5.5 GHz 

Frequency ratio 2.444 

Gain 12.48 dB 12.07 dB 

|S11| -13.42 dB -6.47 dB 

|S22| -23.25 dB -11.43 dB 

P1dB 19.84 dBm 10.86 dBm 

 
 

In summary, a dual-band amplifier for Wi-Fi application was designed and tested 

using dual-band Wilkinson power divider / combiner by replacing the conventional λ/4 

transmission lines with special designed dual-band lines. The analytical equations for the 

proposed structure were derived by applying the ABCD-matrix method, while the 

realizable frequency ratios between the lower and the upper bands were discussed. For 

verification, a dual-band Wilkinson power divider and a dual-band amplifier were designed, 

fabricated, and characterized. The power divider was confirmed with dual-band behavior 

at the designed frequencies. Combining efficiency for the lower and upper bands were 95% 

and 75%, respectively.  Meanwhile, the amplifier exhibits a gain of 12.48 dB at 2.25 GHz, 

and a gain of 12.07 dB at 5.5 GHz. This concurrent dual-band technique is potentially 

attractive for other dual-band applications. 
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Chapter 4. A Compact Power Combiner with Complex Impedance 
Matching 

Following the study of a dual-band amplifier for Wi-Fi systems from the previous 

chapter, a compact power combiner will be investigated as a component for solid-state 

microwave amplifiers. Solid-state power devices need to be combined to reach the 

necessary power requirement, especially when the available power of a single device 

reduces with increase in frequency. Subsequently, these power devices generally have low 

output impedance that can be hard to match using conventional matching network. 

Typically, a conventional combining topology would include a binary combining stage and 

an impedance-matching stage in series, and this multi-stage implementation can often lead 

to more loss and bulky design. 

 

Figure 4-1. Photograph of power amplifier using a compact power combiner [102]. 

 
 A study has demonstrated a compact design that integrated both combining and 

matching stages [102], as shown in Figure 4-1. The power combiner of this particular 

circuit serves dual functionality as both a matching network and a power combiner in a 
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compact design. This type of combiner is mostly found in monolithic microwave integrated 

circuit (MMIC), which size compactness is important in reducing fabrication cost. 

However, most of the published MMIC works do not provide design guideline of the 

combiner. It is likely that there are no particular design equations that can be used for all 

power combiners of this type, or the design method can vary from amplifier to amplifier. 

An example could be the most rational way to understand the design procedure. Therefore, 

this chapter will serve as a general guideline on how to design a compact power 

combiner/divider with complex impedance matching by following the design process of a 

5 GHz prototype circuit. Figure 4-2 shows the diagram of the designed power 

divider/combiner structure. 

 

Figure 4-2. Diagram of the designed power divider/combiner. 
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4.1. Design and Simulation 

This section presents the design of a 5 GHz prototype 1-to-4 power 

divider/combiner, which is fabricated on Duroid 5880 with a dielectric constant of 2.2 and 

a thickness of 0.7874 mm. Intuitively, an input signal excited at port 1 will propagate 

through the taper to the oversized microstrip segment, and then divides into the four parallel 

microstrips terminated by ports 2-5. There are two requirements that must be 

simultaneously and rigorously satisfied in the circuit design. 

The first requirement is the amplitude and phase balance at the parallel ports, which 

can be expressed in the following equation of the transmission coefficients from port 1 to 

the parallel ports 2-5, 

 51413121 SSSS === . (4-1) 

More specifically, the amplitude and phase can be treated individually for optimization 

setup in the simulation, such as, 

 51413121 SSSS ===  (4-2) 

 51413121 SSSS ∠=∠=∠=∠ . (4-3) 

Propagation from narrow to wide microstrip causes the signal to diffract and generates an 

uneven wave front. Consequently, the wave front near the edge of the combiner will lag 

behind the wave front in the center resulting in amplitude and phase imbalance if the 

oversized microstrip is compact in length and width of the parallel microstrips remains 

uniform. However, the amplitude and phase imbalance can be adjusted by engineering the 

geometry of the parallel microstrips. Instead of using uniform impedance, the parallel 

microstrips are designed with stepped impedance, as shown in Figure 4-3. This permits 

scattering at the step to adjust the phase of the signal at each of the multiport microstrip. 
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The surface current distribution of the prototype combiner simulated at 5 GHz using ADS 

Momentum is shown in Figure 4-3. When port 1 is excited, the signal arrives at ports 2-5 

equally. When ports 2-5 are excited coherently, the signal adds up coherently at port 1. 

 

Figure 4-3. Step impedance at the parallel microstrips for output phase imbalance 
adjustment. The inner and the output pairs have different length for each section to 

guarantee phase balance. 

 

 

Figure 4-4. Time shots in sequence of the surface current distribution at 5 GHz 
simulated by ADS Momentum (a) when port 1 is excited and (b) when ports 2-5 are 
excited (Light region—lower current density. Dark region—higher current density). 
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The second requirement of the design is the uniform complex matching at the 

parallel ports. For this 5-port combiner network, port 1 is matched to 50 Ω, and its 

impedance is simply calculated by S-to-Z transformation from S11 to Z1. Yet, the 

calculation of impedance at ports 2-5 is more complicated than a simple S-to-Z 

transformation. For a combiner in an active circuit, the multi-ports are loaded with 

transistors; therefore, the S-parameters should be calculated with sources at ports 2-5, and 

zero input (a1 = 0) and matched at port 1. The active reflection coefficients can be 

calculated using the following, 
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. (4-5) 

Therefore, the impedance seen by one of the parallel multiport outputs is dependent on the 

load impedance at all of the other parallel ports. For example at port 2, 

 5254243232222 aSaSaSaSb +++= . 

In a general case, the source impedance at the multi-ports are uniform (a2 = a3 = a4 = a5) 

assuming combining identical transistors for a power amplifier, and the active reflection 

coefficient associated with the parallel port impedance can be calculated using 

 ∑
=

==Γ
n

j
ij

i

i
i S

a
b

2

, (4-6) 

where i is the port number (i = 2, 3, 4, and 5) and n is number of total ports. It is important 

to note that the active reflection coefficient is different from the typical passive reflection 

coefficient. For this active case, sources are presented at four output ports. Subsequently, 
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a passive case only considers one source, which would yield incorrect result in this circuit 

design. 

Table 4-1. List of Geometries of the Prototype Circuit 

Geometry Variables Values 

D 3.302 mm 

w0 2.3876 mm 

w1 12.2936 mm 

w2
 2.3876 mm 

w3 1.778 mm 

w4 2.8956 mm 

w5 1.778 mm 

d1 7.366 mm 

d2 2.54 mm 

d3 4.064 mm 

d4 2.032 mm 

d5 1.27 mm 

 
 

The design of the prototype combiner is aided by the ADS co-simulation 

optimization scheme. A co-simulation is an iterative process that links the circuit 

schematics to the ADS Momentum layout and performs optimization based on the given 

variables and optimization goals. The geometries of the structure are set as variables that 

are adjustable by the optimization algorithm. The variables include the width and length of 

the parallel microstrip lines, length of the taper, and overall width and length of the 

structure. A design flow chart is used as a guideline to reach the desired impedance 

matching, as shown in Figure 4-5. To demonstrate a prototype design, an impedance of ZA 

= 18.15 + j4.75 Ω is selected to give a good representation of a typical transistor output 

impedance. Based on this impedance, the dimension of the prototype structure shown in 

Figure 4-2 that satisfies the design requirements is listed in Table 4-1. The input at port 1 
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is a 50-Ω microstrip with a width w0 of 2.3876 mm. The output at ports 2-5 are parallel 

microstrip with equal center-to-center distance D of 3.302 mm. Due to symmetry, the 

microstrip dimensions of port 2 are the same as port 5, and the dimensions of port 3 are the 

same as port 4. 

 

Figure 4-5. Design flow chart for the power combiner/divider. 

 
The results of ADS momentum simulation show that the parallel ports of the 

prototype structure exhibit good amplitude and phase balance. Due to circuit symmetry, 

the responses at ports 2 and 5 will be the same, as well as the responses at port 3 and 4. 

Figure 4-5 shows that the amplitude difference between S21 and S31 is 0.00042 dB, while 

the phase difference is 0.712 degrees. It also shows that the power is evenly divided among 
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the parallel ports with each receiving approximately -6 dB at 5 GHz. Figure 4-6 is the 

simulated active reflection coefficient Γi plotted on the Smith chart. The reflection 

coefficient moves clock-wise on the Smith chart with increase in frequency from 3 GHz to 

7 GHz. At 5 GHz, the reflection coefficient matches the designed impedance of ZA. 

 

Figure 4-6. Simulated S-parameters of the prototype structure with the multiport 
loaded with conjugate matched impedance. 
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Figure 4-7. Smith chart of the simulated reflection coefficient at the parallel ports. 
At 5 GHz, the active reflection coefficient at port 2 matches to the value 

corresponding to the targeted impedance ZA = 18.15 + j4.75 Ω. 

 

4.2. Circuit Fabrication and Measurement 

 
The designed 4:1 power combiner was fabricated using photolithography and 

copper etching technique. As mentioned in the previous section, the circuit was made on a 

31-mil thick Duriod 5880 substrate that has a dielectric constant of 2.2 and a loss tangent 

of 0.009. Figure 4-7 shows one of the fabricated 5-port test structures. Measurements are 

performed on the designed structure with extended microstrips at the parallel ports. The 

extensions are added due to additional space needed to install coaxial adaptors to connect 

the RF cable of the vector network analyzer. Agilent PNA E8361A was used to test the 

circuit. Using a 2-port network analyzer, the S-parameters were measured two ports at a 

time while terminating the remaining ports with 50 Ω loads. Multiple measurements were 

performed for different pair of ports to obtain the entire S-parameter matrix of the 5-port 

network.  
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Figure 4-8. Fabricated divider/combiner structure with microstrip extensions. 

 
There was a concern that the constructed 5-port S-parameters from multiple 

measurements might give inconsistent result. The inconsistency came from the fact that 

each measurement required connection of the coaxial cables to different SMA adaptors. 

With each time the connection or disconnection is performed, the connecting point can 

have slight variation in the level of tightness even though a torque wretch was used for 

every connection. In addition, the coaxial cables can experience different degree of tension 

due to the different cable arrangements. This would cause the 5-port circuit board, which 

was not compatible with the supporting text fixture, to bend differently under mechanical 

stress. Although measures have been taken to reduce this type of uncertainty, it was not 

completely eliminated and could still affect the measurement. Using a direction 

measurement would certainly be the best solution to the problem, but there were no 

instrument available to directly measure a 5-port network. A 4-port network analyzer, 

however, was available (courtesy of Dr. Melde at the ECE department in the University of 

Arizona), and it was used to perform the necessary measurements. 
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Assuming port 1 is terminated with a 50 Ω load, the 5x5 S-parameter matrix shown 

in Equation (4-2) can be reduced into the following 4x4 matrix. 
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 (4-7) 

This led to the fabrication of a different test structure that permits a direct 4-port S-

parameters measurement while being compatible with test fixture for mechanical support, 

as shown in Figure 4-8. This new structure also has four microstrip extensions at the 

parallel output ports, but port 1 is pre-terminated by a 50 Ω load soldered to the circuit. 

 

Figure 4-9. Second fabrication of the divider/combiner structure with port 1 
terminated by a 50 Ω load. SMA adaptor was connected to the end of each 

microstrip extension. 

 



 
 

 

81 

4.3. S-Parameter De-Embedding 

The measured 4-port and 5-port S-parameters of the prototype circuit contain 

overall response from both the combiner itself and the transmission line extensions. To 

obtain the combiner response only, the response of the transmission line extensions needs 

to be de-embedded from the overall S-parameters. The goal of the de-embedding procedure 

is to obtain the true active reflection coefficient of the combiner itself. As previously 

mentioned, the result from the 5-port measurement was contaminated with artificial 

uncertainty caused by inconsistent connection and board bending, thus it would not be the 

best candidate for the de-embedding calculation. Hence the S-parameters from the 4-port 

measurement were used in the calculation. 

 

Figure 4-10. Side-by-side comparison of the HFSS model and the fabricated 
structure of the 4-port test structure. 
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Figure 4-11. Simulated and measured S22 of the 4-port test structure. 

 
Before the de-embedding procedure, it is important to verify the accuracy of the 

HFSS model against the measurement. The fabricated 4-port circuit was replicated in HFSS, 

as shown in Figure 4-9. Both simulated and measured S-parameters were compared, and 

the comparison reveals a significant phase difference between the two results, which is 

shown in Figure 4-10 for S22. While it would give more detail by plotting all S-parameters 

on 16 figures for sake of comparison, a tabulated list at the frequency of interest (5 GHz) 

would be a better served summary of the average phase difference, which was revealed to 

be 47.579 degree (an electrical length of λ/8), as shown in Table 4-2. In the meantime, the 

magnitude difference is relatively small, and this is roughly the case for all S-parameters 

in this investigation. 

Due to the difference between the simulated and measured results, phase 

compensation was implemented by reducing the length at the end of the SMA adaptor. As 

shown in Figure 4-11, a length reduction of 1.6 mm (63 mil) was introduced at the end of 

each coaxial line in the model, which reduced the port-to-port transmission length of 3.2 

mm or 40 degrees (λ/9) at 5 GHz. After phase compensation, the average phase difference 
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between the simulated and measured result is reduced to 9.553 degrees (λ/37), as shown in 

Table 4-3. 

 

Figure 4-12. Side views of the SMA adaptor of the HFSS model before and after the 
phase compensation. 

 

Table 4-2. Summary of S-Parameters before Phase Compensation 
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Table 4-3. Summary of S-Parameters after Phase Compensation 

 

 
Given the S-parameters of the HFSS model and the 4-port test structure have 

become relatively consistent after phase adjustment, the next step in the de-embedding 

process can continue. It is previously mentioned that the response of the microstrip 

extensions needs to be de-embedded from the overall S-parameters. However, this 8-port 

S-parameters of the microstrip lines is unobtainable through measurement due to the tight 

spacing between the lines that prohibits the coaxial adaptors installation, which was the 

reason that the extensions for the combiner were implemented in the first place. Because 

the response of the extensions cannot be de-embedded using measurement data, the 8-port 

S-parameter is otherwise obtained using full-wave model simulation. 
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Figure 4-13. HFSS model of the 8-port extension section. 

 
The extension section of the circuit including the length-adjusted coaxial adaptors 

is constructed in the HFSS, as shown in Figure 4-12. The wave port setup at the coaxial 

side is quite straightforward; however, the port setup where the microstrips are tightly 

spaced requires more attention to ensure the solved port impedance is correct. It is not 

uncommon to make mistake for the first time when setting up schematic simulation to de-

embed S-parameters. A verification using the HFSS models, as shown in Figure 4-13, was 

performed before de-embedding the measured result of the 4-port circuit. Figure 4-14 

shows the de-embedding schematic in ADS simulation. The result was verified and shown 

in Figure 4-15. There was a relatively small discrepancy when comparing the results from 

the de-embedded and the directly simulated S22. The difference is likely due to the de-

embedding reference plane coincidentally located at place where the circuit is highly 

sensitive to small variation. This could be related to the tightly spaced microstrip. 
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Figure 4-14. Diagram of the HFSS models used in the de-embedding verification. 

 

 

Figure 4-15. ADS schematic of the de-embedding verification. 
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Figure 4-16. De-embedding verification of the active reflection coefficient S22 on the 
Smith chart with frequency sweep from 3 GHz to 7 GHz. 

 
With the verification of the schematic setup, the next step of the de-embedding 

process is to obtain the combiner S-parameters from the measured results. Measured 4-port 

S-parameters were de-embedded by the simulated 8-port S-parameters, and the resulting 

active reflection coefficient of S22 is plotted on Smith chart, as shown in Figure 4-16. The 

measured S33 is also plotted. The overall response of the S-parameters showed similar trend, 

yet the discrepancy in both magnitude and phase was still there. The difference between 

the curves could be influence by a number of factors. A closer observation of the 4-port 

circuit showed visible under-etch between the gaps where the microstrip lines are tightly 

spaced, at which location the combiner is very sensitive to any deviations in geometry. 

This could be causing a greater coupling than expected. Consequently, port 3 is closer to 

the under-etch region, the discrepancy is even more apparent. Since all couplings between 

the ports are part of the matching by design, any variation in the geometry can cause a 

major disagreement between the measured and simulated results. 
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Figure 4-17. Measured (solid line) and simulated (dash line) port 2 reflection 
coefficients on the Smith chart from 3 to 7 GHz. Also on the chart, measured port 3 

reflection coefficient (long dash). 

 
Another figure of merit for a power divider/combiner is its combining efficiency. 

The result from the 4-port measurement does not contain information relative to port 1 that 

was terminated by a 50 Ω load; therefore, it does not have the necessary information for 

efficiency calculation. However, the result from the 5-port measurement can be used to 

calculate combining efficiency. By the similar de-embedding method used to obtain active 

reflection coefficients, the 5-port S-parameters would be able to exclude the transmission 

line loss from the microstrip extension.  The power combining efficiency can be calculated 

using the following equation, 

 2
11

2
51

2
41

2
31

2
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1 S

SSSS

−

+++
≈η . (4-8) 

As shown in Figure 4-16, the measured and simulated combining efficiencies are 82.44% 

and 90.6% at the designed 5 GHz frequency, respectively. The curve displays a decreasing 
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trend in efficiency with increasing in frequency. The combining efficiency of the structure 

can be influenced by factors like dielectric and conductor losses, radiation loss, as well as 

imperfect soldering and connection at the coaxial adaptors. 

 

Figure 4-18. Measured and simulated power combining efficiency using Eq. (4-8). 

 
In summary of this chapter, a compact power combiner inspired by spatial 

combining was investigated. The circuit structure achieved size compactness while 

fulfilling two important functions: amplitude/phase balance and impedance matching. The 

multiport microstrips included step impedance that permits phase adjustment allowing 

good amplitude and phase balance. Meanwhile, the port impedance can be adjusted by 

varying the geometries of the structure. A 5 GHz prototype circuit was fabricated and 

characterized to verify the design scheme. Transmission line extensions were added at the 

multi-ports to space out the microstrip for measurement purpose. A vigorous de-embedding 

process was applied to obtain the accurate combiner S-parameters. Measured and simulated 

results showed similar trend with relatively good agreement. The measured combining 

efficiency was 82.44% at 5 GHz. 
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Chapter 5. Nanostructured Thin Film with Giant Permittivity 

Nanostructured dielectrics have received wide research interests due to the ability 

of obtaining giant permittivity. This type of material is generally achieved by mixing nano-

size conductors or high-dielectric-constant ceramic particles into a low-dielectric constant 

polymer or a ceramic host. A significant increase in the overall dielectric polarizability is 

observed as a result of such mixture. The large permittivity of these dielectric composites 

may lead to development of high energy density components and other microwave 

applications [37]-[41]. 

Composite materials with high-dielectric fillers in a low-dielectric polymer can 

provide 10-20 times the dielectric enhancement to the hosting polymer. The value of the 

dielectric constant for these materials can be in the hundreds at the kilo-hertz frequencies 

and in the tens at the mega-hertz frequencies [42]-[44]. Composite materials with 

conducting fillers, on the other hand, produce dielectric constant at order of magnitude 

higher than their counterparts with insulating fillers. For a conductor-polymer composite, 

it undergoes a metal-insulator transition at a certain filler concentration known as the 

percolation threshold [45]. The transition is characterized by a rapid change in conductivity 

and a divergence of the real part of the permittivity. Giant permittivity caused by the 

conducting fillers is due to large interfacial polarization and increased effective electrode 

surface area [46].  While this percolation phenomenon have been studied and modeled in 

a number of works [47]-[49], it is still not clear how to accurately predict the dielectric 

behavior of a conductor-polymer composite. Studies on composite with conductor fillers 

like nickel, aluminum, and steel have reported dielectric constant in the thousands at the 

kilo-hertz frequencies and in the hundreds in the mega-hertz frequencies measured by 
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impedance analyzer [50]-[51]. While there have been many reports on conductor-polymer 

dielectric composites in the mega-hertz frequencies, only limited studies have been done 

in the giga-hertz microwave region. Nanocomposite films with carbon black filler are 

reported with dielectric constant of 12-25 and loss tangent of 0.08-0.1and 0.2-0.3 in the 

giga-hertz frequency depending on the filling ratio [40]. Another study reported Al2O3-SiC 

composites with dielectric constant 5.9-17.9 and loss tangent of 0.1-1.6 in the giga-hertz 

frequencies depending on the heat treatment of the sample [55]. 

In general, the characterization methods can be classified into three categories: 

resonator method, transmission line method, and capacitor method. For broadband 

microwave properties, the transmission line method is performed in this work. However, 

due to the potentially very large dielectric constant of the conductor-polymer material, 

quasi-TEM propagation cannot always be guaranteed depending on the transmission line 

dimensions. This issue typically occurs when performing a coplanar waveguide (CPW) at 

very high frequencies, when the cutoff of the higher order modes is within the testing 

frequency range. With electrical size proportional to the dielectric constant, multimode 

problem can occur at lower frequencies when the dielectric constant is large enough. 

Therefore, further investigation would be needed to validate the extracted microwave 

properties using conventional transmission line method. 

In this chapter, the fabrication and characterization of a nanostructured thin film is 

presented. The test sample was prepared by dispersing silver nano-particles within 

Tripropylene glycol diacrylate (TRPGDA) polymer. The frequency range of the 

characterization was 1 GHz to 20 GHz using coplanar waveguide method with on-wafer 

probing technique calibrated by SOLT standards. A conformal mapping model [103] was 
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used to extract microwave properties of the thin film from the measured S-parameters. To 

improve accuracy, a full-wave model was simulated with fitted dielectric properties. In the 

following, the sections are organized as follows: (1) sample preparation, (2) effective 

dielectric constant with correction for internal inductance, (3) extraction using conformal 

mapping and direct fitting techniques, and (4) results and discussion. 

5.1. Sample Preparation 

 
The nano-structured dielectric thin film studied here is composed of a stack of 

discrete layers of silver nano-particles separated by TRPGDA polymer nano-layers that 

have a fixed thickness and are designed to elevate the breakdown strength of the composite 

dielectric. The dielectric constant of the polymer matrix is about 5.5. The basic process and 

equipment for producing the samples studied in this work are shown in Figure 5-1. A large 

rotating drum is used to form the multilayer thin films. Liquid polymer is pumped into a 

large evaporator that is placed outside the vacuum chamber. Layers of polymer can be 

deposited on the rotating drum using a heated linear nozzle that has a slit along the length 

of the rotating drum. In the meantime, nano-sized silver particles are deposited by a metal 

evaporation station placed downstream. The polymer layers are 50-100 nm thick, and every 

layer is interleaved with a layer of silver nano-particles. The size and density of the nano-

particles can be controlled by controlling the deposition parameters and the surface energy 

of the polymer dielectric to tailor the dielectric responses. Nano-particles as small as 1-2 

nm to 10’s of nm can be produced using this process. Figure 5-2 shows the TEM 

micrograph of the silver nanoparticles on the polymer surface. The number of 

polymer/nano-particle layers deposited on the rotating drum can be up to thousands. 
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Figure 5-1. Schematic of the nanostructured dielectric deposition process.  

 

Figure 5-2. TEM micrograph of Ag nanoparticles deposited on a polymer surface. 

 
In this work, a 2600-nm thick nano-structured thin film is deposited on a glass 

substrate that serves as a mechanical support. Since the characterization of the sample is 

performed between 1 GHz and 20 GHz, the coplanar waveguide (CPW) method is used to 

measure the broadband characteristics. A thin layer of 100-nm gold CPW is fabricated on 

the dielectric thin film using electron beam lithography, deposition and liftoff processes. 

The cross-section view of the testing CPW structure is shown in Figure 5-3. This test 
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structure has two dielectric layers. One of them is the thin film sample that is to be 

characterized, and the other is the supporting glass substrate with known dielectric 

properties. A gold CPW transmission line is on top of the thin film. The width of the center 

conductor (S) is 180 μm and the gap (W) between the conductors is 40 μm. The glass 

substrate is 1 mm (h1) thick with εr = 6.65 and tanδ = 0.002. The thin film thickness (h2) is 

2.6 µm and the gold metallization thickness (t) is 100 nm. The length of the CPW line, not 

shown in the figure, is 1.25 mm. 

 

Figure 5-3. Cross-section view of the two-layer CPW structure. 

 

5.2. Measurement and Extraction of Dielectric Properties  

5.2.1. Effective Dielectric Constant 

The S-parameters of the fabricated thin-film CPW lines are measured by Agilent 

vector network analyzer E8361A using two 150-µm pitch Picoprobe CPW (ground-signal-

ground) probes after a short-open-load-thru (SOLT) calibration. The measurement setup is 

shown in Figure 5-4, and Figure 5-5 shows the test sample under microscope. The 

measured two-port S-parameters are converted to the ABCD matrix, 
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From the ABCD matrix, the complex propagation constant of the CPW transmission line γ 

= α + jβ is obtained as a function of frequency. Due to the impedance mismatch and loss 

in the CPW line, the generalized ABCD matrix is used, 
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where L and Zc are the length and characteristic impedance of the transmission line, 

respectively. The complex propagation constant γ and the characteristic impedance Zc can 

be calculated by 

 ( ) ( )BCLj 1sinh1 −=+= βαγ  (5-3) 

 CBZc = . (5-4) 

 Once the propagation constant of the CPW lines is derived from the measured S-

parameters, the effective dielectric constant can be calculated using the following terms, 

 2
0

2
, ββε =effr , (5-5) 

 000 εµωβ = . (5-6) 

Given the general derivation for effective dielectric constant using eq. 5-5, it is still 

necessary to further investigate the equation for a more accurate calculation, such as the 

effect of internal inductance. 
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Figure 5-4. Photograph of the S-parameter measurement setup. 

 

 

Figure 5-5. Photograph of the test sample under the microscope. 

 

5.2.2. Internal Inductance Correction 

The concept of internal inductance when extracting effective dielectric constant of 

a CPW is discussed by reference [104]. Due to the skin effect, the current distribution at 

the conductor cross section is frequency dependent.  At high frequencies, the current 

concentrates at the outer surface of the conductor, and the impact of internal inductance is 

insignificant. However, due to larger skin depth at low frequencies, the impact of the 
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current flowing inside the conductor becomes significant to the extraction accuracy. The 

skin depth of a gold conductor at 1 GHz is 2.485 µm, which is larger than the 100 nm CPW 

metal thickness of the test structure. As a result of the internal magnetic flux gives rise to 

an internal inductance, this additional inductance must be considered when extracting for 

effective dielectric constant. The influence of the internal inductance of the CPW on the 

εr,eff can be removed by using modified form of (5-5). The complex propagation constant γ 

of a transmission line [105] can be written as 

 ( )( ) effeffc
jCjGLjRj εµωωωβαγ =++=+= , (5-7) 

where ω is the angular frequency, R, L, G and C are the per unit length resistance, 

inductance, conductance and capacitance, respectively, according to the transmission line 

equivalent circuit model, µeff and εeff are the effective permeability and permittivity of the 

transmission line, respectively. Consequently, the effective permeability and permittivity 

ratio of an air-filled transmission line with finite conductivity over an air-filled 

transmission line with infinite conductivity can be expressed as 
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where Lint and Lext are the internal and external inductance of the CPW transmission line. 

As previously mentioned, Lint is due to current within the conductor and asymptotically 

approaches zero at high frequencies as skin effect is established. C0 is the per unit length 

capacitance of an air-filled transmission line with perfect conductor. Substituting (5-8) and 

(5-9) into (5-7), then take the square of the whole equation gives 
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Take the real part of the equations will yield 
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given 
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Separating the propagating term and the lossy term gives 
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The adjusted effective dielectric constant of the bilayer substrate can be derived as 
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where Lint and Lext are the internal and external inductance of the CPW transmission line.  

 

Figure 5-6. HFSS model of an air-filled CPW for internal inductance simulation. 
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To calculate the internal inductance, two models are created in High Frequency 

Structure Simulator (HFSS) to simulate air-filled CPW lines with the same dimensions as 

the fabricated sample, as shown in Figure 5-5. The first model is created with an air-filled 

CPW with perfect conductors to extract the external inductance, Lext. The second model is 

created with air-filled CPW with finite conductivity conductors to extract the total 

inductance, Ltot = Lint + Lext. The propagation constant of the first model is represented as  

 ))(( refrefrefrefrefrefref CjGLjRj ωωβαγ ++=+= , (5-15) 

where the note ref means the reference value using a PEC structure that is lossless. The 

propagating constant of the second model that use gold conductor is  

 ( )( )tottottottottottottot CjGLjRj ωωβαγ ++=+= , (5-16) 

where the note tot means the total value that includes internal and external effect. Given 

the two models use the same air substrate with the same dielectric constant and loss tangent 

(Gtot = Gref and Ctot = Cref), the square of the ratio of Equations (5-15) and (5-16) is 

simplified as  

 
refref

tottot

ref

tot

LjR
LjR

ω
ω

γ
γ

+
+

=2

2

. (5-17) 

For the PEC model, Rref is zero and equation (5-18) becomes 
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Take the real part of the equation will give the ratio of the total inductance over the internal 

inductance, 

 
extext

ext

ext

tot

ref

tot

r

t

L
L

L
LL

L
L

L
L intint

2

2

1Re +=
+

===







γ
γ

. (5-19) 



 
 

 

100 

Figure 5-6 shows the calculated ratio of the total inductance over the internal inductance, 

Ltot/Lint = 1 + Lint/Lext. As a result of  removing the effect of internal inductance on the 

extraction of the effective dielectric constant, the value of the adjusted εr,eff becomes smaller 

than the unadjusted εr,eff by the ratio of Ltot/Lint. Figure 5-7 shows the measured effective 

dielectric constant of the CPW line of the test sample. The unadjusted dielectric constant 

is larger than the adjusted dielectric constant at low frequencies due to stronger internal 

inductance influence. At high frequencies, internal inductance is significantly reduced and 

the two curves converge. 

 

Figure 5-7. The ratio of total inductance to external inductance due to skin effect 
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Figure 5-8. Measured effective dielectric constant of the CPW line with and without 
correction for internal inductance. 

 

5.2.3. Extracting Dielectric Properties by Conformal Mapping Method 

5.2.3.1. Dielectric Constant Extraction 

Once the effective dielectric constant εr,eff is accurately determined, a closed-form 

equation that relates εr,eff to the dielectric constants of the thin film and the glass substrate 

of the bilayer test structure is used. By using conformal mapping, the effective dielectric 

constant is determined as function of CPW dimensions and the substrate properties. The 

formulas for a bilayer CPW transmission line [102] are given as 
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where i = 1 is assigned to the glass substrate and i = 2 is assigned to the thin film. Therefore, 

h1 is the glass substrate thickness, h2 is the thin film thickness, εr1 is the dielectric constant 

of the glass substrate, and εr2 is the dielectric constant of the thin film. The filling factor of 

the glass substrate, q1, and the filling factor of the thin film, q2, are proportional to the 

contribution from each dielectric layer to the overall effective dielectric constant. S and W 

are the line width and gap spacing of the CPW transmission line respectively, as shown in 

Fig. 5-3. K(ki) and K’(ki) are the elliptical integral of the first kind and its complement, 

respectively. K’(x) is defined as 

 ( ) ( )21 xKxK −≡′ . (5-24) 

For small ki, equation (5-23) can lead to numerical error in calculation (k2 = 2x10-14 for our 

geometry). Use the following asymptotic formula [106] for the elliptic function can solve 

such problem, 
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The dielectric constant of the thin film εr2 is extracted from the measurement using (5-20) 

to (5-25). Figure 5-8 shows the extracted εr2 from the measured S-parameters of the CPW 

line of the test sample. The figure also shows the results of a fitted model to be discussed 

in the next section. 
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Figure 5-9. Extracted εr of the nano-structured thin film. 

 

5.2.3.2. Loss Tangent Extraction 

Next step after obtaining the dielectric constant of the nano- structured thin film is 

to determine its loss tangent tanδ. The loss mechanism of the test sample includes the 

dielectric loss, conductor loss, and radiation loss. Since the CPW line is a straight section 

without discontinuity, the total loss is dominated by dielectric and conductor losses, and 

the radiation loss is omitted in the total loss calculation. Therefore, the total transmission 

line attenuation is 

 cd ααα += , (5-26) 

where αd is the attenuation due to the dielectric loss and αc is the attenuation due to the 

conductor loss. First, the attenuation due to the conductor loss [107] is given by 
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2
Sa = , (5-28) 
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where Rsm(ω) is the frequency-dependent resistance in the modified Horton impedance 

boundary condition, and the variables a, b, and Δ are calculated based on the CPW 

dimensions. Second, the attenuation due to the dielectric loss for a TEM waveguide [108]  

is 

 eff
effr

d f
c

δ
επ

α tan,
= , (5-31) 

where f is the frequency and tanδeff is the effective loss tangent including the effect from 

the film and the substrate. The loss tangent of a CPW line with bilayer substrate is 

calculated using the conformal mapping formula [58], 

 222111, tantantan δεδεδε rreffeffr qq += , (5-32) 

where tanδ1 and tanδ2 is the loss tangent of the glass and the film respectively. Figure 5-9 

shows the extracted tanδ2 from the measured S-parameters of the CPW line of the test 

sample. Comparing the loss tangent results from the two different calculation methods, the 

conformal mapping result is larger than the HFSS fitting result at low frequencies. This 

observation is further discussed in more detailed in a later section. 
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Figure 5-10. Extracted tanδ of the nano-structured thin film. 

 
Following the extraction of the dielectric properties, the measurement repeatability 

of the CPW line is investigated. A total of seven S-parameter measurements with 

independent calibration are taken for this investigation. The extracted εr and tanδ from each 

measurement are used to calculate the mean value and the standard deviation, as shown in 

Figure 5-10 and Figure 5-11. The larger standard deviation in the measured εr and tanδ at 

low frequencies are likely due to higher relative phase error for a short transmission line at 

lower frequencies. Meanwhile, the larger standard deviation at the higher frequencies is 

likely affected by the increasing measurement uncertainty of the VNA and the lower 

calibration quality at higher frequencies. 
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Figure 5-11. Measurement repeatability: Mean value and standard deviation of the 
extracted dielectric constant using conformal mapping method. 

 

 

Figure 5-12.  Measurement repeatability: Mean value and standard deviation of the 
extracted loss tangent using conformal mapping method. 
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5.2.4. Extracting Dielectric Properties by HFSS Direct Fitting Method 

Alternative to the conformal mapping method, the direct fitting technique is also 

used to extract the dielectric properties of the nano-structured thin film. This process is 

done by building a computer-aided design model that duplicates the experimental setup. In 

the HFSS model, the thin film layer is assigned a set of εr and tanδ at each frequency. 

Assuming single mode propagation, the simulated S-parameters of the multi-layer structure 

with the assigned values are then compared to the measured S-parameters. When the 

difference is within a pre-specified tolerance, the values of εr and tanδ are fixed. If the 

assigned values do not come within the tolerance, the values will be modified for additional 

simulations until the newly modified values satisfy the tolerance condition. The numerical 

fitting technique follows these two equations: 

 ( ) ( ) δωδεω ≤− meas
r

HFSS SS 1111 tan,, , (10) 

 ( ) ( ) δωδεω ≤− meas
r

HFSS SS 2121 tan,, , (11) 

where δ is the acceptable error. The result of the numerical fitting is dominated by the 

transmission part of the S-parameters namely S21; therefore, higher priority is given to 

minimize the error on the S21 side. Alongside with the calculated results of conformal 

mapping method, Figure 5-8 and Figure 5-9 show the extracted dielectric constant and loss 

tangent of the fitting technique, respectively. 

5.3. Discussion of Results and Potential Issues 

Based on the measurement, the extracted dielectric constant εr and the loss tangent 

tanδ of the nano-structured thin film show frequency dependency. As shown in Figure 5-8, 

the dielectric constant varies from about 30000 at 1 GHz to about 4600 at 20 GHz. The 
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frequency dependency can be explained by the dielectric relaxation, which is based on the 

reality that the build-up or decay of the electric polarization is not instantaneous when the 

field is applied or removed from the dielectric material [109]. For the extraction of the 

dielectric constant, the results of the conformal mapping and the direct fitting techniques 

show similar trend in frequency dependency. Figure 5-9 shows the extracted loss tangent 

tanδ, which is also frequency dependent, is approximately 0.55 at 1 GHz and 1.75 at 20 

GHz. At the higher frequencies, the results of the two extraction techniques show good 

agreement above 10 GHz. The higher loss tangent extracted by conformal mapping at low 

frequencies is likely to be the result of internal conductor inductance of the CPW line. At 

low frequencies, the skin depth is on the order of the conductor thickness and the field 

penetration inside the conductor is strong; hence, the conductor loss is more substantial. 

While the conformal mapping technique works well under the assumption of skin effect, it 

is likely that the conductor loss is underestimated at low frequencies. Thus the additional 

conductor loss spills over into dielectric loss, leading to higher loss tangent. For example, 

the extracted and fitted loss tangents have a difference of 1.95 at 1 GHz, as shown in Figure 

5-9. As frequency increases, the skin effect is more accurate and the dielectric loss of the 

CPW line becomes more significant. 

5.3.1. Higher-Order Modes 

Due to large dielectric constant of the thin film, quasi-TEM mode propagation 

cannot always be guaranteed. CPW line on substrate with very high dielectric constant may 

have higher-order modes propagating along with quasi-TEM wave at low frequencies. 

Therefore, it is imperative to use full-wave approach to model the effect of higher-order 

modes. To investigate the issue, HFSS model is used to simulate the CPW line. Two higher 
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order modes are revealed to have cutoff frequencies of a few GHz. Figure 5-12 shows the 

field distribution of the modes at the excitation port of the CPW. The impact of the higher 

order modes is investigated by studying the mode conversion of the CPW model, as 

illustrated in Figure 5-13. Mode conversion occurs when the propagating power of the 

fundamental quasi-TEM mode is converted to a higher-order mode if the transmission line 

supports it. The mode conversion of the first higher-order mode is 25 dB below the 

fundamental quasi-TEM mode for the entire test frequency range 1-20 GHz. Given the low 

mode conversion, the power influence is relatively small. For mode conversion of the 

second higher order mode, the influence is also small at 20 dB below the TEM mode up to 

16 GHz. However, the mode conversion magnitude increases with increase in frequency. 

At 20 GHz, the second higher-order mode conversion becomes equal to the TEM mode. 

As a result, half of the power normally carried by the fundamental mode is now converted 

into the second higher-order mode. However, the influence of the higher-order modes does 

not become significant until frequency reaches around 20 GHz. Given the relatively small 

influence of the higher-order modes for most of the test frequencies, the influence of the 

field distribution on the measurement is also expected to be small. However, any new 

changes made to CPW cross-section dimensions can alter the higher-order mode behavior 

which will require additional mode analysis to ensure the extraction is valid. 
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Figure 5-13. Field distribution of the modes at the excitation port of the CPW. 

 

 

Figure 5-14. Mode conversion from the fundamental TEM mode to the next two 
higher-order modes: coupled slotline mode and TE mode. 
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the probe tips at the reference plane of the DUT may not be entirely captured by the SOLT 

calibration. Therefore, it is possible that additional uncertainty is introduced. To investigate 

this potential uncertainty, a model has been created to mimic the test setup in which an 

open-ended stub of the same CPW line with a length of 25 µm (representing the probe 

overdrive distance) at the two ports. With the additional open stubs, the changes in the 

overall S-parameters of the CPW line under test are captured, which are then used to 

estimate the introduced error in the extracted dielectric properties of the thin film under 

study. We have found that maximum errors from 1 to 20 GHz in the extracted dielectric 

constant and the loss tangent are 2.7% and 0.6%, respectively, as shown in Figure 5-14. 

 

Figure 5-15. Maximum error percentage of the extracted dielectric constant and loss 
tangent of the film due to different CPW dimensions and dielectric substrates 

between the impedance standard substrate (ISS) and the device under test (DUT). 

 

0 5 10 15 20
-6

-4

-2

0

2

4

Frequency (GHz)

E
rro

r P
er

ce
nt

ag
e

 

 

% εr error

% tanδ error



 
 

 

112 

Chapter 6. Summary and Future Works 

This chapter summarizes the dissertation which includes topics that were aimed to 

contribute novel ideas and deeper understanding in the field of microwave engineering. 

The four topics investigated are millimeter-wave beam circuit, dual-band components, 

compact circuit structures, and nanostructure dielectric characterization. 

In chapter two, a MBC-inspired waveguide filter using EMXT surfaces was studied. 

The waveguide was loaded at the top and/or bottom walls with EMXT surfaces, which 

prevented electromagnetic wave propagation at the band gap. An approximated lumped 

element circuit was used to model the dispersion properties of the filter. The model analysis 

shows good agreement with the full-wave simulation in predicting the filter stopband. A 

W-band prototype filter was fabricated and has successfully demonstrated a rejection band 

centered at 97 GHz with a rejection level of 16 dB. 

In chapter three, a concurrent dual-band Wi-Fi amplifier was designed and tested 

using dual-band Wilkinson power divider/combiner. Dual-band function of the Wilkinson 

circuit was achieved by replacing the conventional λ/4 transmission lines with special 

designed dual-band lines, which consisted of an open-ended stub and a short-ended stub. 

The analytical equations for the proposed structure were derived by applying the ABCD-

matrix method. While the realizable frequency ratios between the lower and the upper 

bands are limited by the fabrication feasibility, relatively large frequency ratios are still 

achievable with additional design freedom by varying the length of each transmission line 

section. The fabricated amplifier circuit exhibited a gain of 12.48 dB at 2.25GHz, and a 

gain of 12.07 dB at 5.5 GHz. With flexible frequency ratio, the proposed amplifier is also 

attractive for other dual-band applications working at different frequencies. 



 
 

 

113 

In chapter four, a “one-stage” combining scheme was studied by connecting a 

tapered microstrip to four parallel multiport microstrips. This combining structure achieved 

a compact size while fulfilling two important functions of a power combiner: 

amplitude/phase balance and impedance matching. The multiport microstrips included 

stepped impedance that permits phase adjustment of the parallel ports, which allows good 

amplitude and phase balance. The port impedance of this combiner could also be designed 

by adjusting various dimensions to match the impedance of a typical transistor. To verify 

the design scheme, a prototype circuit working at 5 GHz was fabricated and tested. Due to 

tight spacing between the parallel ports, transmission line extensions were added to allow 

side-by-side coaxial connection for measurement. The response of the combiner itself is 

later obtained by separating the response of the extended lines from the measured overall 

response through the de-embedding process. Measured and simulated results showed 

similar trend and a relatively good agreement. The measured combining efficiency is 

82.44 % at 5 GHz. 

In chapter four, a nanostructured thin film fabricated by interleaving silver nano-

particles and TRPGDA polymers was investigated. The sample characterization was 

performed in the frequency range of 1-20 GHz using CPW line on a bilayer substrate. The 

impact of internal inductance on the measured effective dielectric constant was discussed, 

and the method of removing the influence of internal inductance was illustrated. Two types 

of the extraction method were applied: conformal mapping technique and HFSS fitting 

technique. The conformal mapping technique used closed-form equations to calculate the 

dielectric constant and loss tangent of individual layers based on the effective dielectric 

constant and loss tangent of the total structure. The HFSS fitting technique used pre-
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assigned dielectric constant and loss tangent in the full-wave model to fit the S-parameters 

of the measurement. The results of the two techniques showed similar trend for the 

dielectric constant; however, the loss tangent did not agree as well below 10 GHz. This 

was due to the inability of the conformal mapping method to accurately model the 

conductor loss without skin effect. Additionally, the effect of multi-mode operation was 

investigated. The result of the investigation indicated that the influence of higher-order 

modes did not become significant until near 20 GHz. In the end, the measured results 

showed giant dielectric response of the nanostructured thin film with extracted εr from 

3x104 at 1 GHz to 4.6x103 at 20 GHz and extracted tanδ from 0.55 at 1 GHz to 1.75 at 20 

GHz. 

As potential extensions of the work described in this dissertation, several topics are 

appropriate for further study. 

First, the filter studied in this dissertation used a homogeneous EMXT surface, 

which has unit cell with same gap size and metal strip width, thus has the same equivalent 

capacitance and inductance. An interesting topic will involve using an inhomogeneous 

EMXT surfaces in the waveguide filter. This would vary the unit cell equivalent 

capacitance and inductance by varying the metal width and the gap size. Each unit section 

of the EMXT waveguide can be optimized for better filter performance, such as a sharper 

stopband or using less unit cells to achieve the same rejection level. 

Second, the proposed dual-band Wilkinson power divider studied in chapter three 

has great frequency scalability and flexibility, and its unique properties will allow it to find 

many suitable dual-band applications. For example, a future work can involve a design for 

dual-band 5G applications, which is likely to find spectrum allocation in the millimeter 
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wave frequencies at 28 GHz and 38 GHz bands [110]. In addition, the proposed compact 

“one-stage” combiner is also frequency scalable, and can be used in millimeter wave 

applications too. As output power of the solid-state device reduces with increase in 

operating frequency, power combining becomes more necessary to meet a specific output 

power requirement. 

Finally, the nanostructure thin film mixing TRPGDA polymer and silver 

nanoparticles was demonstrated with giant dielectric response. However, the loss tangent 

of the material was relatively high (0.55-1.75), which can limit its full potential. It would 

be of great interest to reduce loss while maintaining high dielectric response by optimizing 

the nanostructure and the polymer-nanoparticle mixture ratio. Subsequently, a parametric 

study can be conducted to profile the concentration of the silver nanoparticle to a 

corresponding dielectric response. 
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APPENDIX A. HFSS EIGEN-MODE SIMULATION 

This appendix is a supplement to chapter 2 by demonstrating the setup of a HFSS 

eigen-mode simulation. The information is specifically described for the simulation of the 

EMXT filter; however, some information can be applied to general eigen-mode simulation 

setup. There will be three major steps in preparing an eigen-mode simulation: 1) solution 

type and unit cell model; 2) boundary definition; 3) setup of eigen-mode analysis and 

parametric sweep. 

First, the HFSS design is set to the correct solution type for eigen-mode simulation. 

On the menu bar, choose HFSS > Solution Type… will prompt a window, as shown in 

Figure A-1. After selecting “Eigenmode” solution type, a unit cell structure would be 

constructed in the HFSS modeler. Generally, a full waveguide filter loaded at the top and 

bottom walls would have a square cross-section with a few unit cells in length, as shown 

in Figure A-2(a). For an eigen-mode simulation, a full structure would not be necessary. In 

the eigen-mode, a unit cell would be sufficient to simulate the characteristic of an infinitely 

long filter structure. Due to symmetry, the structure can be reduced into a half model, as 

shown in Figure A-2(b). 

   

Figure A-1. HFSS solution type. 
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Figure A-2. HFSS model of (a) a full-model EMXT filter with a length of four unit 
cells, (b) a half-model unit cell for eigen-mode simulation. 

 

 

Figure A-3. Boundaries for (a) symmetry-E plane, (b) master plane, and (c) slave 
plane for the EMXT filter eigen-mode simulation. 

 
Second, the boundaries of the symmetry, the master, and the slave planes would be 

defined for the eigen-mode simulation. The symmetry plane is defined on the top surface 

of the structure, as shown in Figure A-3(a). A symmetry boundary can be assigned by 

selecting the top surface, and choose HFSS > Boundaries > Assign > Symmetry… on the 

menu bar. For the symmetry boundary setup, choose “Perfect E” symmetry with a port 

impedance multiplier of 2. 
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Figure A-4. HFSS symmetry boundary setup. 

 
Next step is to define the master and slave planes. A master boundary can be 

assigned by selecting the front surface, and choose HFSS > Boundaries > Assign > 

Master… on the menu bar. The U-V vectors can be defined by selecting the drop-down 

menu as shown in Figure A-5, and the direction of the vectors should look similar to Figure 

A-6. 

     

Figure A-5. HFSS master boundary setup. 

 

 

Figure A-6. Master boundary U-V vector. 
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A slave boundary can be assigned by selecting the back surface, and choose HFSS > 

Boundaries > Assign > Slave… on the menu bar. The slave boundary will be paired with 

the master boundary that was previous defined by selecting it in the drop-down menu 

shown in Figure A-7. Additionally, the U-V vectors of the slave boundary will have the 

same direction as the corresponding master boundary. The input phase delay can be defined 

in the following window prompt after clicking “Next,” as shown in Figure A-8. The phase 

delay will be defined be a variable “$phs_delay” which will be assigned an initial value, as 

shown in Figure A-9. 

 

Figure A-7. HFSS slave boundary setup. 

 

 

Figure A-8. Slave boundary input phase delay setup. 

 



 
 

 

120 

 

Figure A-9. Define phase delay variable for master and slave boundaries. 

 
Finally, the simulation analysis can be setup by selecting HFSS > Solution Analysis 

Setup > Add Solution Setup… on the menu bar, which will prompt a window shown in 

Figure A-10. The minimum frequency should be selected so that it is below the cutoff 

frequency of a normal rectangular waveguide with the same cross-section dimension. The 

number of modes is set to 3. Although the band gap of the filter is likely located between 

the first and second modes, it is a good practice to select a slight higher number to better 

reveal the dispersion behavior of the filter. Following the eigen solution setup, the 

parametric sweep can be setup by selecting HFSS > Optmetrics Analysis > Add 

Parametric… on the menu bar. As shown in Figure A-11, a secondary window will appear 

after clicking “Add” in the initial window. The sweeping variable will be the previously 

defined “$phs_delay” and the sweeping range will be from 0 to 360 degrees (1 to 359 

degrees with 2-degree steps in this case). Then the sweep setup can be added to the list in 

the left part of the window. After the analysis setup, the simulation can be started by right 

click on the parametric setup and choose analyze, as shown in Figure A-12. The result of 

the simulation is discussed in chapter 2. 
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Figure A-10. HFSS eigen solution setup for the EMXT filter. 

 

Figure A-11. HFSS sweep analysis setup for the EMXT filter. 

 

Figure A-12. Starting an eigen-mode simulation in HFSS. 
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