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A MAXIMUM LIKELIHOOD BIT SYNCHRONIZER

P. MALLORY
Dynatronics

Electronics Division of General Dynamics
Orlando, Florida

1.   Summary
A method of implementing a maximum likelihood synchronizer for baseband signals in
Gaussian noise is presented along with analysis and measurements of its noise
performance. Results are given showing the noise jitter of the synchronizer as a function
of the energy per bit to noise power density ratio for various parameters of the
synchronizer system. The Cramer Rao inequality is used to give a qualitative description
of the system noise performance in terms of the signal structure. Finally the noise
performance of this technique is compared with several other techniques which are
currently used to synchronize baseband PCM signals.

2.   Introduction
Since the quality of PCM data is heavily dependent on quality of synchronization, the
method of synchronization becomes an important consideration in telemetry system
design. The maximum likelihood philosophy was adopted for two reasons. First it can be
shown that under certain conditions the maximum likelihood estimate coincides with the
minimum mean squared error estimate and secondly it is one of the few approaches
which can be analyzed. The specific problems treated here are to implement the
maximum likelihood estimate of the bit phase parameter of a baseband PCM signal and
to analyze and measure the noise performance.

The likelihood function is implemented by approximating the derivative of the likelihood
function and using this derivative as the error signal for a servo system which
continuously sets that derivative to zero. This approach is quite straightforward and does
not present any hardware design difficulties.

The Cramer Rao inequality is used to give a qualitative indication of system performance
as a function of signal-to-noise ratio and signal structure. If the Cramer Rao inequality
held with the equal sign then the resulting expression indicates that a perfectly
“rectangular” signal would hive no phase error due to noise. However, investigation of
the necessary conditions for equality for the Cramer Rao inequality revel that zero phase
error cannot occur in the presence of noise. These conditions also imply that in the



absence of noise the error cannot be zero for a random PCM waveform. The
synchronizer is analyzed for a rectangular PCM waveform. The results correlate well
with measured data.

The test data for the maximum likelihood system is compared with an older model PCM
synchronizer (See Figure 3). The tests indicate that the new approach is better. Also, on a
theoretical basis, the maximum likelihood system appears to have better large signal
noise performance than a synchronizer which gets its phase information by integrating
across a bit transition.

3.  The Synchronization System Model
For obtaining a mathematical Model of the synchronization process it is assumed that the
received waveform is observed in the interval -T#t#0 and that the synchronization is
based on this observation. The observed waveform is represented by:

(1)

where n(t) is a realization from a stationary Gaussian noise ensemble with mean

(2)
and continuous covariance function

(3)
The signal portion of the observed waveform is

(4)

(5)



(6)

where the statistic v(y(t),") is defined by

(7)

(8)

Letting T = Kto this expression becomes very nearly

(9)

In the strong signal case the approximation is made that with probability unity

(10)

where sgn(x) = x/*x*. With this assumption and assuming that T = Kto the result for
strong signals is

(11)

Since 1nx is a monotonic function of x we have



and the expressions for (9) and (11) can be replaced by

(12)

and

(13)

These last two equations form the basis for the design of the synchronizer in the next
section.

4.   Instrumentation of the Likelihood Function
In order to design a system which adjusts the phase parameter a to maximize the
likelihood functions in (12) and (13) it is assumed that these expressions have
derivatives. These derivatives are then used as the error signal in a servo system which
continually sets the derivities to zero. The derivitie of (12) and (13) is approximated in
the following way:

(14)

for small Ä. The resulting equation in the weak signal case is

(16)

The feedback system which uses this expression as an error signal is shown in Figure 1.
The integrations in 15 are performed by the matched filters. The ln cosh operation is
approximated by a full wave rectifier. The summation from -K to 0 is approximated by th
averaging effect of the servo loop. The advance and delay by Ä/2 is done by the timing
of the samples taken from matched filters 1 and 2. It should be noted that the difference
between the strong signal and weak signal synchronizer is in the characteristics of the
full wave rectifier.

As can be seen the instrumentation is quite straightforward and can be adapted to any bit
pulse form by an appropriate change in the matched filters. In the work done here the bit 



pulses are nearly rectangular so-the matched filtering is done with integrate and dump
circuitry.

5.   Noise Performance
The analysis of the noise performance of this system can only be done for the strong
signal condition. Two approaches have been taken. First, the Cramer Rao inequality has
been used to give qualitative answers on the relation between phase error, signal-to-noise
ratio and signal structure. Second, the large signal instrumentation indicated by
equations (13) and (14) has been analyzed for perfectly rectangular pulses. The result
expressed as equation 38, correlates well with measured test results.

It can be shown that under certain regularity conditions the mean squared difference
between the phase parameter, á, and the estimate of the phase parameter, â, obeys the
inequality

9160

Using equation 13 and assuming that the polarity of the expression inside the absolute
value sign is the same as ak the resulting equation after substituting for y(t) is

Since in this expression á is taken as the actual phase parameter the terms arising from
the signal by itself are equal to zero. After squaring, averaging, inverting the order of
integration and using the identity R(t1 - t2 ) = < n(t1)n (t2) > and neglecting the cross
terms the result is

(18)



where the prime (') denotes differentiation with respect to á. Under certain conditions
this last expression can be expressed in terms of Fourier integrals to give

(19)

where R(ù ) and g'(ù ) denote the Fourier integral of R(ô) and g'(t) respectively.
Substituting equation 19 into 16 the result is

(20)

If g(t) is a pulse of unity aptitude inside the interval 0#t#to and zero elsewhere then

(21)

so that
(22)

Therefore, if the signal and noise were passed through an ideal low pass filter which cuts
off at ù o rad/sec. the mean square error would obey the inequality

(23)

The right hand member goes to zero as ù o 6 4. This might lead to the speculation that for
perfectly square pulses there would be zero error for a properly instrumented
synchronizer. This speculation is reinforced by equation (38) which indicates that as the
approximation to a derivative in equation (14) becomes better (Ä 6 0) the error due to
noise goes to zero. In order to answer this question consider the condition for equality in
equation (16) which is that there is equality if and only if v(y(t),á) satisfies the relation



(24)

(25)

(26)

Here áo is taken as the actual phase parameter of the received signal. If it is assumed that
g(t) = 0 for t > 3to /2 and -to/2>t the right hand side of the above equation becomes



(27)
 

In order to simplify the above expressions, make the definitions

and

and

(28)



then expression (25) becomes

(29)

Examination of equation (29) reveals two aspects of this synchronization technique.
First, the derivative of v(y(t),") is a function of ã. This results in a variable gain in the
sync servo which leads to the well known phenomenon of larger phase errors in the
presence of random data as compared to periodic data. The second aspect is the last term
in (29), which depends on the signal and the noise. In order to tell whether the phase
estimate of this technique obeys equation (24), it is necessary to examine the behavior of
this last term in (29) as g(t) becomes a rectangular pulse. Therefore, take this term,
square, average, invert the order of averaging and integrating and neglect the cross terms
to get the result

(30)

Again under suitable circumstances the above integral can be replaced by Fourier
integrals to give

(31)



(32)

This indicates that as the pulse becomes perfectly rectangular the conditions for equality
are not met. ‘This is because the mean squared portion due to noise blows up as fast as
the portion due to signal in equation (26).

Now consider the jitter in the large signal instrumentation Using the likelihood function
of equation (13) and assuming the signal to noise ratio large the likelihood function is
approximated by

(33)

where the first term is due to signal and the second is due to noise. Now if 33 is
substituted into equation 14 the result (after many manipulations) is the approximation

(34)
where the fringe effects for j=0 and j=K have been neglected and g(t) has the form

(35)



and *" is the error between "o and ".

The first term in equation (34) is due to signal while the second term is due to noise. The
mean squared signal term can be shown to be very nearly equal to

(36)

while the mean squared noise term is

(37)

(38)

Taken at face value this equation indicates that the mean squared jitter due to noise is
proportional to the noise, inversely proportional to the sync servo bandwidth B, and
proportional to the A used in the approximation to the derivitive. If the servo bandwidth
B is in cps approximated as 1/2Kto, then

the equation can be rewritten

(39)

(40)

This formula is plotted in Figure 2 along with the measured test results.

5.0   Comparison With Other Systems

We will conclude this paper by comparing this technique with two other techniques
which are commonly used. The first technique is the one which is used in the old
Dynatronics BSC 7 series Bit Synchronizers. This synchronizer works by limiting,
differentiating, and rectifying, in order to produce a sharp spike at each bit transition.
These spikes are then compared with the crossover points of a reference waveform with
a standard phasemeter technique. The phase meter signal is fed back through a servo



loop compensation. A schematic of the BSC 7 is given in Figure 3. “Peak-to-peak” jitter
due to noise for various bandwidths and signal-to-noise ratios is shown for both the
maximum likelihood synchronizer and the BSC 7 in Figure 4. It should be noted that due
to the subjective nature of the peak-to-peak readings, the values of the jitter due to noise
could be off by as much as 2 to 1, however, the relative performance should stay the
same. With this in mind it appears that the new synchronizer is better than the BSC 7 in
noise performance.

As a final comparison, consider a synchronizer which derives an error signal by
integrating across a bit transition. It is is assumed that the interval of intergation has
length t'. The noise accumulated by the integrator in a particular interval is

(41)

Assuming white noise with two-sided power density No, the mean squared noise output
of this integration can be shown to be

(42)

If the signal has amplitude %S and the transition occurs off the center of the integration
period by an amount *I, the signal output at each transition will have a magnitude given
by

(43)

If a sequence of K bits are observed, an average of K/2 transitions will take place and the
mean squared output is for large K’s very nearly

(44)

(45)
comparison with equation (38) reveals that

(46)
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Figure 1.  Maximum Likelihood Synchronizer



Figure 2.  RMS Jitter Due to Wideband Noise For Maximum Likelihood
Synchronizer With Random Data

Figure 3.   Schematic of BSC-7 Synchronizer



Figure 4.  Comparison of Maximum Likelihood Synchronizer
With BSC-7 on .3% Bandwidth



THE EFFECT OF CODING ON RATE EQUALIZATION OF
DIGITAL CHANNELS

S. BUTMAN
Jet Propulsion Laboratory

California Institute of Technology
Pasadena, California

Summary    The pulse stuffing technique for rate equalization of digital channels is
generalized in this article to the stuffing of a sequence of pulses (a word), which can be
coded. The extra capacity needed for signaling the stuffed word decreases exponentially
with the number of pulses in it, and may, in fact, be eliminated at a negligible increase in
the error rate of the channel.

Introduction    In digital communication networks it is often necessary to time-division
multiplex a number of digital channels with different and fluctuating pulse rates into a
single high rate link, and to invert this operation (demultiplex, or decommutate) at
various receiving points down the line. In order for this process to function properly, it is
necessary to have the pulses in each channel occur at specified instants in time so that
they may be sampled in an order known to the receiving stations. This retiming process
is called synchronization. It can be effected by reading the pulses of each channel into an
elastic memory buffer, and reading out the contents of each buffer in sequence.

(1)

is the buffer depletion rate, and it must be made up by inserting extra pulses (or time
slots) into the output stream. These stuffed pulses must be identified and deleted at the
receiving stations (after decommutation) in order to prevent decoding errors. The
transmission of this identification information requires extra channel capacity.

Several synchronization schemes using pulse stuffing have been reported in [1-7]. In
each case a pulse is inserted into the output stream as soon as the memory buffer is
empty. The methods differ, however, in the manner of signaling the presence of the
stuffed pulse. In added bit signaling [6,7], the signaling channel is created by adding an



extra pulse for every N data pulses, this corresponds to an increment of 1/N in the total
channel capacity. In statistical subcarrier signaling [4], each of the I most probable data
words is assigned two symbols Ai and Bi = 1,2,....I, and the presence of a stuffed pulse is
signaled by substituting Ai’s for Bi’s. In this case the amount of additional channel
capacity set aside for signaling stuffed pulses is not clearly defined, however, it is
evident that the introduction of extra symbols into the channel alphabet is equivalent to
increasing the capacity.

The purpose of the present discussion is to generalize the concept of pulse stuffing to
word stuffing, a word being defined as a sequence of k pulses, in order to reduce the
capacity of the signaling channel. This requires that the buffer memory increase
proportionately to the length of the stuffed word. The question of whether to use more
memory and less signaling capacity or vice versa is a matter of economics of the
particular situation.

Equalization Using Stuffed Words    The operation of an elastic memory buffer is
analogous to a reservoir which can be filled intermittently while being drained at a
steady rate. Consider a buffer with a memory size of k pulses. When the contents of this
buffer have been depleted to some reference, say zero, the buffer must be allowed to
refill by a temporary pause in its readout. At the same time a predetermined sequence of
k pulses, a word W, is inserted into the output stream in order to maintain the
synchronous rate s. (Actually there is no such thing as not inserting pulses, since the
absence of a signal is part of the code). The time interval involved in the word stuffing
operation is k/s, and during this time interval

(2)

pulses for reading into the buffer. Because of the discrete nature of read-in and read-out
mechanisms, k’ is either the greatest integer in, or the nearest integer to the quantity on
the right hand side of (2). If r is the average value of r(t), then the average value of k’ is
kr/s.

The average rate of occurrence of stuffed words is equal to the average depletion rate
divided by the average number of pulses read in, that is, s(s-r)/kr. Thus, although the
exact time of occurrence of a stuffed word is Unpredictable, stuffed words occur on the



average only one kth as often as stuffed pulses, and require only one kth the signaling
rate.

An even better approach is to signal the occurrence of a data word W rather than the
stuffed word. Thus, in the absence of signaling, the receiver is arranged to detect and
delete the sequence W, and signaling is used to inhibit deletion when there is a data
sequence W. In this way, only the stuffed word W is removed, provided that there are no
transmission errors. For a non-zero channel error probability, the situation becomes
somewhat more complicated due to the possibility of errors of the first and second kind
(non detection of W and false alarms), this matter will be taken up in the next section. If
the data stream consists of m equiprobable pulses, the probability of a data word being
W is m-k and the average signaling rate is only r/(kmk), which is smaller than the rate of
stuffed words s(s-r)/kr when k > logm [r2/s(s-r)] . Finally, it is of interest to observe that
signaling may be discarded at the price of allowing the error probability to increase by
about m-k. This is accomplished by forcing the transmitter to change one (or more) pulses
in the data sequence W. If the channel were error free, all data would pass through the W
detector at the receiver, however, the data word that was W will have one pulse in error,
causing the average error probability to increase by m-k/k. The number of intentional
errors will increase when redundancy is introduced to combat errors of the first and
second kind.

Errors of the First and Second Kind    Let p be the error probability for a binary
symmetric channel (m = 2). The probability of not detecting the stuffed word, P1 , is then

(3)

(4)

or, the average rate of the inhibit signal is rPI. However, the probability of an error of the
first kind is now only



(5)

(6)

and the probability of having j-i # d-h is

(7)

(8)

Performance    The total increment in the average error probability is then

(9)
For a given value of k, the above expression will have a minimum with respect to d
because P1 decreases with d while P2 and P1 increase. In many practical situations )p .
PI . For example, consider a channel with 0 # (s-r)/r # 1 and an error probability p = 10-6 .
Then, if k = 30 and d = 1, P1 and P2 are negligible compared to PI which is ~ 2-30 . 10-9,
so that )p is only .1% of p; and this is with no signaling.

It might be argued that errors of the first or second kind are the most catastrophic, since
their occurrence upsets the data flow, causing, possibly, serious difficulties in decoding.
It is, therefore, of interest to minimize the average rate of occurrence of undetected



stuffed words or false alarms. The relevant expression, when s . r, so that s(s-
r)/r2 . (s-r)/ r, is

(10)

where u is the average rate of occurrence of errors of the first or second kind. Table I
presents u in events/year, for a channel with p = 10-6 , s = 1.544 x 106 pps and
s-r = 200 pps, as a function of k and d. The minimum value of u for each choice of k is
underlined, indicating the best choice for d.

Table I.  Yearly occurrence of errors of the first or second kind as a function of stuffed
word length k and redundancy d for a channel with P = 10-6 , s = 1.544 x 106 pps and
s-r = pps.

Conclusion    This article investigated the performance of rate equalization schemes
based on the concept of pulse stuffing. It was shown that by increasing the length of the
sequence of stuffed pulses, a previously neglected quantity, it is possible to reduce, and
even to eliminate, the need for an auxiliary signaling channel. The analysis presented for
the binary symmetric channel is a worst-case solution because each data sequence was
assumed to be equally likely. If non-uniform statistics prevail, the stuffed sequence
should be the least probable data word. Finally, it should be noted that word stuffing is
particularly suitable in equalizing channels with large fluctuations in rate.
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RICIAN INTERSYMBOL INTERFERENCE IN
FREQUENCY SHIFT KEYING

J. J. VENCILL
McDonnell Douglas Astronautics Company

Summary    Many communications links involve a reflected signal which is Rician in
nature. In troposcatter systems, this reflection constitutes the entire received signal while
in communications between satellites or aircraft, such a reflection from the surface
corrupts the direct signal. Other such situations involve low elevation tracking or
intentional coherent jamming.

This paper derives the bit error probability for a non-coherent binary FSK link in this
environment for any order of diversity and any ratio of specular to diffuse reflection
assuming orthogonal signalling frequencies, matched filter detection and perfect bit
synchronization. The interfering signal may represent the same datum as the direct signal
(Mark-Mark interference) or, for delays longer than a bit period, the interference may
appear in the opposite receiver channel from the direct signal (Mark-Space interference).
Results are stated in terms of the direct signal energy to noise density ratio and factors
determined by the geometry of the situation; the ratio of direct signal to interfering
power, the ratio of specular to diffuse reflected power and the relative carrier phases of
the direct signal and the specular reflection in the Mark-Mark case. These geometric
parameters are most conveniently treated separately from the modulation and detection
problem.

Introduction    Previous studies of the problem of communication through fading
channels can be summarized as follows: Pierce(1) evaluated the probability of error for
troposcatter links by integrating the error probability for a given signal strength weighted
by the signal strength probability density. Glenn and Lieberman(2) determined the
percentage of time that the received signal strength is above the threshold required for
“satisfactory operation”. Turin(3) determined the error probability averaged over a fade
cycle for a Rician received signal, and Lindsey(4) added the effects of diversity to Turin’s
results. All of these works assume slow fading such that the received signal amplitude is
essentially constant for the duration of a bit. This assumption is retained in this paper.
The previous works also assume that the interfering signal represents the same data bit as
the direct signal so that for FSK, both signals excite the same matched filter (Mark-Mark
interference). However, in many cases of interest, the differential time delay over the two
paths is longer than a bit period. In this situation, both matched filters of the receiver



may be excited, one by the direct signal and one by the interference (Mark-Space
interference). The analysis in this paper therefore treats both Mark-Mark and Mark-
Space interference. This analysis also considers the specular interference component on
an instantaneous basis with phase independent of the direct signal.

System Model    Figure 1 is a model of the channel and illustrates the channel symbols.
Note that the indirect path, J, is “derived” from the direct path, D, and that the indirect
path may have any degree of Ricianness from pure specular to pure Rayleigh. As the
differential time delay between the two paths varies, the receiver may see the interfering
symbol as the same symbol received over the direct path (Mark-Mark case), or the
receiver may see a different interfering symbol than that received over the direct path
(Mark-Space case).

Figure 2 is the receiver model, and illustrates the receiver symbols. The “type” of
diversity may be any form. (frequency, time, space; polarization), however, the analysis
is limited to square law diversity combiners.

Mark-Space Error Probability    The Mark-Space error probability is derived by
assuming that a Mark is received via the direct path and a Space via the interfering path
and integrating the general expression:

(1)

In this situation, all of the Mark and Space channels have inputs consisting of signal
components and thermal noise. The Mark channels have “direct” signal components and
thermal noise, therefore

(2)

where Io(x) is the modified Bessel function, and Rm is the direct path signal energy to
noise density ratio, Em/No, in the mth diversity channel. The Space channels have
“indrect” signal components and thermal noise, therefore

(3)



where am
2/"sm

2 is the ratio of interference to direct signal power. The probability density
of am is

(4)

where "jm is the amplitude of the specular interference component and 2Fj is the rms
amplitude of the diffuse interference component. The fading on the different diversity
channels is assumed to be statistically independent, and the diffuse interference
component is assumed to have the same average power for all diversity channels. The
probability density of ym may be found from

(5)

and by applying Weber’s second exponential integral, (5)

(6)

(7)

where No is the single sided noise power spectral density in watts per Hertz, and,



(8)

(T being the bit period), then after some manipulation

(9)

(10)

(11)

This integral has been solved in Price.(6) Thus,

(12)
in terms of PM-1 (a,b,r) given by Price.



Mark-Mark Interference    In the Mark-Mark situation, the Space channels contain
only thermal noise, thus

(13)

so,           (14)

where      (15)

The Mark channel input contains the direct signal, thermal noise, and the interfering
Rician signal, with resultant amplitude

(16)

where Rm is the relative carrier phase between the direct signal and the specular portion
of the Rician signal.

By analogy with the Mark-Space case

(17)

where

and          (18)

with



The probability of error is then,

                (19)

or                  (20)

where               (21)

Results    The probability of error for either case is then, using Price’s expression for
Pm-1 (a. b. r),

(22)

where the Marcum Q function is

(23)

the binomial coefficient is

(24)

and the Kroniker delta function is

(25)



Examples    Graphs of error probability are given in Figures 3, 4, 5, and 6, as functions
of the “geometry” factor

(26)

i.e., the relative strength of the direct and indirect paths, the direct path energy to noise
density

(27)
the degree of diversity, M, and the degree of specularity of the indirect path

(28)

It is interesting to see from Figure 3 that the D/J must be very high (greater than 25 dB),
for the interference to be termed “negligible”. At moderate D/J levels, say 5 to 10 dB, the
uncertainty of the quality of the link can be two orders of magnitude From Figure 4 it is
clear that the increasing of link power (or sensitivity) alone is an expensive technique to
combat multipath. For example, a link operating at error rate 2 x 10-4 in a multipath free
environment would degrade over an order of magnitude if an interference signal of one
tenth the power were occuring. Diversity can be useful in most multipath environments
as seen from Figure 5, however, at very low D/J ratios the use of diversity can degrade
the link performance. Another surprising result, shown in Figure 6, is the significance of
the degree of specularity. It appears that the degree of specularity may outweigh the
importance of the total strength of the interfering signal in many multipath situations.

Conclusion    This paper has extended the analysis of previous FSK multipath work to
include the generic case of a Rician interfering signal. The situations where the
interfering bit is the same as the direct bit, or different than the direct bit have also been
shown. This is of particular significance when the differential path length between the
two transmission paths is of the order of a bit period, or greater. The results have shown
that the interfering signal must be “much” less than the direct signal before the
interference can be considered negligible. The results have also shown that the degree of
interference is strongly influenced by the amount of specularity of the indirect path.



REFERENCES

1. J. N. Pierce, “Theoretical Diversity Improvement in Frequency-Shift Keying,”
Proceedings of the I.R.E., pp. 903-110; May, 1958.

2. A. B. Glenn and G. Lieberman, “Effect of Propagation Fading and Antenna
Fluctuations on Communication Systems in a Jamming Environment,” I.R.E.
Transactions on Communications Systems, pp. 43-60; March, 1962.

3. G. L. Turin, “Error Probabilities for,Binary Recption,” Proceedings of the I.R.E.,
pp. 1603-1619; September, 1958.

4. W. C. Lindsey, “Error Probability for Incoherent Diversity Reception,” I.E.E.E.
Transaction on Information Theory, pp. 491-499; October, 1965.

5. G. N. Watson, Theory of Bessel Functions, New York: Cambridge; 1958.

6. R. Price, “Error Probabilities for Adaptive Multichannel Reception of Binary
Signals,” I.R.E. Transactions on Information Theory, pp. S305S316; September,
1962.



Fig. 1 - The Channel Model

Fig. 2 - The Receiver Model



Fig. 3 - The Effect of the D/J Ratio



Fig. 4 - The Effect of Transmitter Power



Fig. 5 - The Effect of Diversity



Fig. 6 - The Effect of Specularity



PERFORMANCE OF BLOCK-CODING SYSTEMS WHEN
TRANSMITTING THROUGH A N-ARY DISCRETE CHANNEL IN

THE PRESENCE OF WHITE GAUSSIAN NOISE

R. W. OKKES
European Space Technology Centre (ESTeC)

NOORDWIJK, Netherlands

SUMMARY

The basic problem of transmitting digital (PCM) data with the least signal to noise ratio
per bit of information is considered if the data is encoded into code words consisting of a
finite number of symbols where each symbol belongs to an alphabet of N elements. For
quantitative results the error probability of the decoded data has been taken as equal to or
below one out of 105 bits of information in the case where the transmitted symbols are
corrupted by additive white Gaussian noise and are detected “symbol per symbol” by
correlation methods. Mainly coherent detection is considered.

After the derivation by a geometrical method of the upper bounds (based upon random
coding) of the minimum signal to noise ratio per bit, the performance of several
constructive code methods are compared with these bounds. The amount of hardware
and the number of operations required respectively for encoding and for decoding the
most promising class of codes (binary and N-ary Bose-Chaudhuri codes) are indicated.
Considerations are given to synchronous demodulation requirements using a “Costas”
phase lock loop type of demodulator.

I - INTRODUCTION

In this article the following two aspects are dealt with when considering the telemetry of
digital data from satellites or space probes to earth :

1 What is the minimum amount of energy required per bit of information in order
not to exceed a specified bit error rate when digital coding techniques are used and
the transmission channel is disturbed by white Gaussian noise ?

2 What are the consequences, when using these coding techniques, in terms of
complexity of encoding, detection and decoding equipment and required
bandwidth of the transmission channel ?



The analysis of this problem is here considered for the communication model shown in
figure 1. The encoder accepts an input sequence (m) of k equally likely, statistically
independent binary digits (0 or 1) and transmits a sequence (s) of n N-ary symbols. The
mapping m 6 s is one to one. The sequence (s) is corrupted by noise and is detected as a
sequence (r), consisting of n symbols. The detection process is “symbol per symbol” and
either the input symbol a. is transformed by the channel noise into a different symbol,
with a corresponding conditional probability Pj(i) (j = 1,2, .... i-1, i + 1, ... N), or remains
unchanged with probability 

The symbols are detected by correlating them with locally generated replicas at the
receiver and making a maximum likelihood decision on the different outputs of the
correlators. If the correlation is performed on the complete code word (n = 1), the
detector output is the estimate already of the input sequence (m) and the decoder is not
needed. The symbol alphabet consists of N different waveforms.

The upper bounds of the minimum signal to noise ratio required are derived in Section II.
Sections III and IV consider the performance of several code structures in comparison to
the upper bounds and the different aspects of code implementation.

II - UPPER BOUND OF SIGNAL TO NOISE RATIO PER BIT

In the general case the transmission can be considered as through a discrete N-ary
channel, namely the codeword consists of n symbols where each symbol can have one
out of N discrete values.

We assume that maximum likelihood decoding is performed at the receiver ; that is, any
particular output sequence r will be decoded into the input sequence mi for which

P[r(mi)] > P[r(mj)] for all possible input sequences
mj (j … i), where P[r(mi)]

denotes the conditional probability of receiving r if si (the mapping of mi)is transmitted.

The following basic theorem can be proofed (ref. (1) and (2)) for the transmission model
of figure 1.

For any block length n, any number of code words  M = 2nR , and any probability
distribution on the use of the code words, there exists a code for which the probability of
decoding error is
bounded by:



(1)

with :

(2)

where :

D is an arbitrary number 0 # D # 1,
p̄ = (p1, p2, .... pN) is an arbitrary probability vector whose components denote the
probability with which the input symbols a1, a2, .... aN are chosen
pj(i) is the probability of detecting the symbol bj if the symbol ai is transmitted
R is the code rate in bits per channel symbol.

Because the input binary symbols to the encoder are equally likely and statistically
independent, the distribution of input symbols (containing log2N bits of information) is
uniform, so pi = 1/N for all symbols. It has been shown by viterby [3] that when coherent
detection is possible, the probability of symbol error is minimized by choosing a set of
transorthogonal signals, representing the input symbols. This is, that for any two signals
Si(t) and Sj(t), of duration T :

and :

where A is the signal energy.



(3)

The tightest bound on Pe is found by maximizing the factor E(R,p) = - DR + E0(D,p) with
respect to D which gives :

After some manipulation, we obtain :
(4)

where :

and :

therefore, with (3) and (4) :

(6)

(7)



This value of R is found also for the capacity of this type of transmission channel,
defined as :

(8)

Because equation (4) is valid for 0 # D # 1, it follows that it is valid for the range of
rates:

For rates below this lower bound, the maximum of Eo(D, p) occurs for D = 1, and it
follows from (3) :

(9)

Equation (6) can also be written as :

(10)

According to equation (10) the exponential coefficient E(R) is the difference between the
transmission rate R and the linear function given by the straight line tangent to the
function C at point p = p D , as shown in figure 2 where N = 32. From (10) it follows that
if the transmission rate R is less than C the probability Pe of false decoding can be made
arbitrarily small by increasing the word length n                                     

The validity of (10) can be checked by evaluating (5) for D = 1, the result of which
should be larger than p D. If this is not the case, then (9) applies.

The upper bound for the error probability per bit of information after decoding is given
by :

(11)



The energy required per bit of information Ao is determined by :

(12)
where A, the required energy per symbol, is in turn defined by the noise spectral density
No(W/Hz, one sided) and the symbol error probability p before decoding.

The symbol error probability p as a function of the signal to noise ratio per symbol,
A/No, is evaluated and tabulated by Viterbi [3] when considering the case of coherent
detection of orthogonal and transorthogonal signals and by Lindsey [4] for non-coheren
detection (orthogonal signals).

For the binary symmetric channel (N=2) the minimum bit error probabilities are given
by:

III - SEVERAL CONSTRUCTIVE CODE METHODS



In this section we shall give some constructive codes and compare their performance
with the upper bounds obtained in the preceding section. We shall confine ourselves here
to “parity check” codes, because these codes make relatively simple decoding procedures
possible. The parity check codes can be described by a parity check matrix (H)
consisting of (n-k) rows and n columns of N-ary symbols Pi,j and the condition that every
combination of n symbols considered as a vector V = (a1, a2, .... an) is a code word if and
only if :

where HT is the transform of matrix H, or :

Such a code word contains k symbols of information and (,n-k) “parity check” symbols
and shall be referred to as a (n,k) code. An important characteristic of these codes is the
minimum distance (D), that is, the minimum number of positions in which two different
code words may differ. in addition, the property that the distribution of distances
(number of code words at a certain distance) with respect to a certain code word is
identical for all code words, is extremely helpful in analysing error correction
capabilities of these codes.

The following decoding procedures can be envisaged, using error correcting codes
capable of correcting up to t bits in error ?

1 On receiving a code word the decoder decides if the number of detected errors (r)
is greater or lower than a certain value s (s may be less than t, the correcting
capability of the code).

2 If r # s the errors are corrected.



3 if r > s, the code word can either:
- a, be rejected (marked as erroneous) or,
- b, be accepted with the errors uncorrected.

Procedure 3a obviously leads to a lower probability of false word detection.

As shown in appendix , the probability of false word detection when following
procedure 3a is given by (if p<<1):

(13)

where :

Formula (13) depends on the random coding assumption in deriving the code word
distribution.

If all code words are accepted, in which case the maximum correcting capability of the
code should be used, the probability of false word detection is given by :

(14)

Bit error probabilities after decoding are respectively derived from (see appendix) :

                 (15)

and          (15a)

where



The “rejection rate” finally (following decoding procedure 3a) is given by :

In figure 3 the performance of the following codes is indicated, for the condition where
one out of 105 bits are in error after decoding when all code words are accepted
(procedure 3b) :

1 “Golay” or (23,12) code, capable of correcting up to 3 errors (t=3)
2 (73,45) code, studied by Prange (t=5)
3 The class of orthogonal codes, for which : n = 2k and D = 2k-l 
4 The class of Bose-Chaudhuri codes, the characteristics of which can be

summarized as follows (ref. [5]).

For any m and t, there is a Bose-Chaudhuri binary code of length 2m-1 which corrects all
combinations of t or fewer errors and has no more than mt parity-check symbols. It
follows that the number of information bits is given by :

(16)

Actual code characteristics have been taken (ref. [5]) instead of the boundary condition
given by (16).

TABLE 1



It can be seen from table 1 that for code lengths larger than n = 1023, practically no
reduction of Ao/No can be achieved.

As the information transmitted from satellites and space probes is often very redundant,
the rejection of a small part of the data (marked as erroneous) would have very little
effect on the ability to reconstruct the information. If this decoding procedure is adopted
lower values of Ao/No could be obtained with a substantial reduction of decoding
complexity (see next paragraph) as compared to the procedure where all code words are
accepted. The performance of some typical Bose-Chaudhuri codes are indicated in figure
4 for rejection rates of 1% and 10%, code word lengths of 63 and 255 and a bit error rate
of Pb # 10-5

The results indicated in figure 3 concerning the orthogonal codes show that this class of
codes is not of interest in the case of encoding for the binary symmetric channel.

 IMPLEMENTATION OF BINARY BOSE-CHAUDHURI CODES

From the considerations of the preceding paragraph we can conclude that the application
of Bose-Chaudhuri codes permits one to decrease the amount of received energy
required per bit of information by a factor up to about 4,4 dB, if the block length is
restricted to n = 1023.

For the implementation of a Bose-Chaudhuri code the amount of hardware necessary for
encoding and the number of operations for decoding are two important parameters. The
hardware for encoding consists mainly of a shift register with a length of k or (n-k)
stages, (depending on which value is the lower), and a few modulo 2 adders.

The case of encoding if a shift register of k stages is used is shown in figure 5, with
operation as follows : the information symbols are stored initially in the k stages of the
shift register. For this the gate 1 is open and the gate 2 is closed. Then the register is
made to shift n times so that the first k symbols that emerge will be the information
symbols, and the last n-k symbols the check symbols, if gate 1 is closed and gate 2 is
open during this operation.

The process of decoding consists mainly of temporarily storing the code word and then
performing arithmetic operations in order to derive the positions in which the code-word
contains errors. The number of operation (P) required for error correction can be roughly
estimated as (ref. [5] ) :



1 A more advanced decoding algorithm (ref. [9]) may reduce the contribution to the number of
decoding operations relative to the principal component (1/2 s4m) to one proportional to s2 ,
effecting the relevant data in table II and table IV.

1

In table II the number of logic elements, consisting of flip flops, modulo two adders,
gates, etc... and the number of operations required for decoding, are indicated for the
Bose Chaudhuri codes of interest, also given in table 1, fig. 3 and fig. 4.

TABLE II

It can be concluded from table II that the amount of hardware required for encoding is
within acceptable limits but that the number of operations required for decoding codes
with word lengths n $ 255 is very large although, when a small rejection rate is accepted,
a substantial reduction of the number of operations can obtained. It follows from table I
that for word lengths n < 255, the transmission rate R < 0,6C.

ENCODING FOR THE N-ARY CHANNEL - APPLICATION OF
GENERALIZED BOSE-CHAUDHURI CODES

The generalized Bose-Chaudhuri codes are as a class the best of the known constructive
codes for channels in which errors affect the symbols independently.

The characteristics of this class of codes can be given as follows :

For any N(which is a power of a prime), m and t, there exist a Bose-Chaudhuri code of
length n = Nm - 1 which corrects all combinations of t or fewer N-ary symbol errors and
has no more than 2tm. parity check symbols [5] .



The probability of false code word decoding is again

(17)

where p = symbol error probability

(18)

Assuming that most of the decoding failures are detected, the bit error probability is
approximately :

(19)

(20)

TABLE III



2 The performance for orthogonal signals is about equal to that of trans - and bi-orthogonal
signals for N $ 5

For n 64 and any finite value of N, it follows from (17) and 18 that :

However because log2n = m log2N, the transmission rate becomes, according to (20) :

We can conclude from table III and figure 3 where the content of table III is compared
with the bounds derived in the preceding section that :

a) The performances of the codes with a length of 31 to 63 are about equal to what
can be expected from theory,

b) the loss in energy due to non-coherent detection decreases monotonicly with
increasing N.

IMPLEMENTATION OF THE GENERALIZED BOSE-CHAUDHURI CODES

Transmission through a N-ary channel (N > 2) requires encoding of the
binary PCM information into orthogonal wave-forms2 by taking



The minimum signal bandwidth required for transmitting a set of N orthogonal signals of
duration T is given by :

(21)

(22)
where the transmission rate (R) is given in bits/symbol (log2N bits).

The amount of hardware and the number of arithmetic operations required for
respectively encoding and decoding are the two parameters of main interest for a
transmission link between a (deep) space probe and a ground station if use is made of an
error correction code.

In table IV, these two figures, together with figures for the “power saving with respect to
uncoded binary information”, and the “bandwidth expansion factor” are given for the
most interesting codes, for which the number of logic elements for encoding and the
number of operations for decoding is within acceptable limits.

As shown in figure 3 where the area related to the codes given in table IV is indicated,
these codes make a power saving possible to an extent which is close to that which is
theoretically obtainable.

TABLE IV



Figure 6 shows the encoder circuitry for which the operation sequence is as follows :

Furthermore, it should be noted that the detector requires N correlators to decide which
symbol has been transmitted. With N # 27 , the complexity of the detector can be kept to
a reasonable degree.

IV - COHERENT DETECTION

Relatively simple coherent demodulation of the orthogonal signals is possible if the
signals consist of N binary levels PSK modulated on a (sub) carrier. All information is
contained in the (sub) carrier side bands if the phase shift corresponding to a 0 to 1 level
change is equal to 7 radians (no demodulation logs). The (sub) carrier frequency can be
reconstituted by a phase lock loop, schematicly indicated in figure 7 (known as Costas
loop), providing a phase reference signal for coherent demodulation.

It can be shown by linear phase-locked loop theory that the variance of the phase error is
given by :

(24)

where : BL = noise loop bandwidth
S = input signal power



B = low pass filter bandwidth
No = single sided noise spectral density.

The rate at which information is transmitted by the N-ary symbols is :

(25)

Because the signal to noise ratio per symbol yields :

and the actual rate at which binary digits are transmitted is given by :

(26)

the rms loop error can be expressed. as :

                        (27)

and                    (28)

Two effects due to a imperfect phase reference signal should be considered :

1) signal to noise degradation after demodulation

2) phase skipping by B radians between the two stable phase positions of the VCO,
as a result of which the output data level is inverted.

From results obtained by Lindsey [6] and Chen [7] the demodulation loss is less than
0,5 dB if the rms loop error is less than 0,2 rad. (for all values of N considered here and
symbol error probabilities not lower than 10-5) considering a perfect synchronisation of
the correlation detector.

The skipping rate of a high gain, second order Costas lo can be derived from the mean
time to unlock, represented by [8]:



(29)

where : Tn/2B = natural frequency of the loop.

For the very common damping factor of 0,707, BL/Tn = 0,53. The skipping rate, in terms
of the number of skipping cycles per transmitted bit is expressed by :

(30)

(31)

When calculating BL/Rc using (31) and (27), taking a minimum skipping probability of
10-7 into account it turns out that FN < 0,2 rad. for all values of lg2N between 1 and 10.
In figure 7 the loop bandwidths required are indicated with and without using block
coding (n = 256).

V - CONCLUSIONS

The reduction of the signal to noise ratio required per bit of information as described in
chapter III, is achieved in two steps:

1) by transmitting the symbols as orthogonal (or nearly orthogonal) signals. The
power saving obtained with respect to uncoded binary transmission is 3 dB and
3,8 dB for N = 32 and N = 128 respectively, considering coherent detection ;

2) by symbol error correction methods using error correction block codes. The
obtainable additional power savings are in the range of 2,6 dB to 3,7 dB for N =
128 (block length of 127) and N = 2 (BSC block length of 255) respectively.

When weighing decoding complexity against obtainable power saving, code lengths
larger than 127 symbols are not worth the effort although advanced decoding algorithms
[9] could extend the range of code lengths of interest. For the orthogonal signal detection
system a value of N # 128 seems acceptable in terms of detection complexity and
coherent demodulation bandwidth requirements providing the necessary bandwidth
expansion can be tolerated (up to a factor of 12). The principle of uncorrectable code
word rejection has been shown to be efficient for the BSC in order to reduce the bit error
rate and decoding complexity and could eventually ba adopted as well for the N-ary
symmetric channel (N > 2).



1 (n, k) code with t error correction capability

If the power reduction on board of a space probe is of primary importance, the
application of one of the generalized Bose-Chaudhuri codes given in table IV, together
with orthogonal coding of the symbols, as shown in figure 3, may form an attractive tool
to reduce the received energy required per bit of transmitted information.

APPENDIX

ERROR PROBABILITY BOUNDS OF LINEAR ERROR CORRECTING CODES

This appendix considers the probability of false word decoding when transmitting a (n,
k, t) code1 over the binary symmetric channel, using the deooding procedures as
indicated in section III.

If the procedure is followed by which the uncorrectable error patterns are rejected, the
probability of false word decoding of the words accepted is given by :

(A1)

where :
p = bit error probability

N(w) = number of code words of the code dictionnary at a distance W
from the transmitted word

F(w,s,p) = probability of decoding a received message as a code word which
is at a distance W from the transmitted code word

D = minimum distance.

Due to the linear code properties [5] it follows :



This can be estimated as follows (provided ëi > p) :

(A2)

where :

This can be approximated, according to a method indicated by Shannon [5] :

(A3)

If the condition of (A3) is fulfilled, the approximationof (A2) is also valid, because :



Considering all code words received (procedure 3b), the probability of false word
decoding is derived from :

(A4)

For the Bose-Chaudhuri codes : n-k # t1og2 (n+l) and if t + 1 > pn, it follows, if s = t :

(A5)

Formula (A5) shows that the decoding procedure of rejecting uncorrectable error
patterns is very efficient when t is large as far as the reduction of false word decoding is
concerned.

The “rejection rate” is given by :

(A6)

The bit error rate after decoding is given by :

where w = j + s

Using the inequality :



it follows :

(A7)

Following procedure 3b, the bit error rate becomes :

(A8)

For the Bose-Chaudhuri codes in particular, it follows with (A5), (A7) and (A8) :

(A9)
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。PTIMUM AND SUB-OPTlMUM DETECTION OF DIGITAL SEQUENCES CORRUPTED BY 
WHITE NOISE 
By J. K. HOLMES and S. BUTMAN 

2星旦旦!x.
This paper presents an optimum and a sub-optimum， but easily reali

zable， method for the detection of K binary symbols corrupted by white 
Gaussian noise with unknown mean. 

Bas主cally the optimum procedure requires picking the sequence from 
a set of �、 sequences which minimizes a certain functional. However this 
procedure requires a great deal of computation. This computational pro
blem is considerably reduced by the use of an efficient searching procedure 
developed in this paper. 

However a su弘-optimum procedure exists and is very simple to instru
ment with the advantage that decisions are made in a bit-by-bit fashion. 
This procedure is analyzed and the average error probability is obtained. 

工. 工ntroduction

Analog mechanization of the simple integrate-and-dump symbol detect
or used in binary PSK communication systems may be difficult at high data 
rates due to the inability of e1ectronically dumping in a time interval 
short compared to a pu1se duration. A possib1e a1ternative which circum
vents this problem is to digitize the integrator output and to perform the 
dumping mathematically using a digita1 computer (1，2) . The resulting det
ector， being a hybrid of analog and digital operations is the subject of 
the present investigation. 

The problem is formulated in terms of a binary antipoda1 pulse train 
corrupted by additive white Gaussian noise of unknown mean. The inclusion 
of the unknown mean accounts for unknown D.C. bias and drift which would 
norma11y be encountered in the receiver. The presence of the D.C. term 
affects the idea1 decision rule; changing it from a bit-by-bit d�cision 
scheme to one invo1ving an ordering of the detector outputs. A1though this 
is impractica1 to implement when the number of pu1ses is 1arge， it reduces 
in the case of an infinite sequence to a bit-by-bit decision scheme. 

A sub-optima1， but easi1y instrumentab1e， bit-by-bit scheme is 
ana1yzed which inc1udes the effects of a high pass filter (to remove the 
D.C. bias ) and a quantizer. 

I1. Ana1ysis of idea1ized mode1 

2.1 Formulatior1: We assume that the receiver is presented with the random 
'''aveform 

where 

x (t ) = s(t ) + n (t ) +阱，凡7E
K 

s (t ) - ? a
kφ(t-kT) 』

k=l 

ø(叫) = {于
for (k-1 )T � t � kT 

otherwise 
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� = :1: 1 with呈 巴拉拉probability

p(l) = p(-1) =工/2

n(t) 1s zero-mean white Gaussian noise of two sided spectra1 density 
No/2 watts/hz andμis an u此nown D.C. offset. Because μis u叫mown we 
a8訊nne， with no 10S8 of genera1ity， that it is a random variab1e with an 
underlying probabi1ity distribution p(μ) • 

Given the waveform x(t) the receiver must d缸et峙er.伊I冒mine w叫it怕h rn叫inirnurn
p戶r。的ba的bi扎1i抗ty。吋f error th加e binary 8倪eq吵uence 乏 = (ak} k=1 ' In order t。
accomt>1ish this we consider the K-dirnensióna1 sufficient statistic x = ~ 
{Xk} k=l obtained by projecting (matched filtering) x(t) onto the signa1 
space spanned by the K orthogonal basis fUnctionsφ(t-kT) k = 1，2，...爪，
thus， 九=i J x(t)φ村也叫“

= ak + nk + � 

where 凡=i J n(t)φ付﹒叫 k =川... ，K 

are 1ndependent zero-mean Gaussian variables with variance 
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2.2 The Idea1 Observer Decision Rule: The idea1 observer decision rule 
min1mizes the probabitity of error by selecting the binary sequence .a for 
which the全posterior� probability distribution p(il�) is a maximum overa11 
possible binary sequences of the sarne 1ength. Therè are at rnost 2K such 
sequences. If they are equiprobab1e， it is equiva1ent fro叩Bayes' ru1e， 

p(主|乏) = p(主|乏) p(乏)/p(乏)

to maximize the conditional probability density p(芝|主) vThich is 

p(紅)= J h|丘，μ) 的) 部 (1) 

where K K 

p(乏峙，μ)=(WNj悶r - � \' (�..ak-μ)2) 
- k=1 

Now it is necessalγto specify p(μ) . For thp sake of reaching a 
conc1usion we wi11 assume that � is Gaussian1y distributed with kno.m 

(2) 



assumption is equiva1ent to maximizing 
an average power constraint. Substi-

μ2) 的) = 伯河JF呻(- bE
。
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where 
(5) 

is the inverse of the norma1ized �ovariance matri� of the noise plus un﹒ 
known D.C. offset， � = (2E/N

�
) E 1 (!l"1J， r)(!l袖 的TI =工+γ1 r戶， r is the ，_ I 0 ' L �_， r- ;:...， ' '，_ r- Ñ ' .J ，_ 內凹 ， ~ 

K dimensionlll vector wi th components r，. = 1 for a11 k， 1 is the KXK iden
tity matrix and the superscript T den。是es transpose. rt is obvious from 
the definition of r thllt its Euclidian norm is 

(6) K 

Equation (4) reveals that the optimum decision procedure is t。
se1ect from the set of possible binary sequences the sequence â which 
minimizes the quadratic form 

-P』卅Mr~

(7) 

(8) ^K ["k-ak﹒(三-E)]+FE(妄_ã)2
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2.3 Mechanization of the Optimum Decision Rule: A brute force approach for 
determining â entails the co呻utation of Q仰� for each one of the 2K 
possib1e binãry sequences， f0110wed by a seãrch for the minimum. However， 
a more economica1 procedure is avai1ab1e because we can determine the opti﹒ 

--Q(乏，乏)



mum sequence in c10sed form 'I>，hen a is he1d fixed. We observe that a C8n 
t8ke on one of the K+1 v81ues 

- 2J 、8 _ = -;;- - J. J K - J = O，1，2，...，K (12) 

k where J is the number of l's in 8. There are (�) sequences with J l's J and hence with a = a _ ﹒ - -
Let AJ denoteVthe set of sequences with 8 = 8J 8nd 1et 

Q，� = min 
- 8&A � '、， .J 

Q，(x，a) (13) 
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Then it is c1ear that the sequence 8 T corresponding to Q，T is the one with ~δ the J l's opposite the 1argest J e1ements of x. Next， since 

m�n Q，(x，a) = min Q， T = Q， 幣!-- ""，--，-， '-:Ï- ""J ""J (14) 

it fo11ows immediate1y that â =乏J﹒
The process of determining the 1argest J components in x for 

J=O，1，2，...，K imp1ies that we tr8nsform芝into l where the co嚀。nents of l 
are the components of x arr8nged in decreasing order， thus， y、 三 y呵， ...， 
這Yv ' The transformat�on is non-singu1ar and measure preservÍng 6èc8Usè 
11芝W'= 11訓. A1so三=7. Let立be the KxK matrix representing this trans
form8tion. then it shou1d become evident that the co1umns of U are a ner
mutation of the co1umns of the identity matrix工， and U UT =..... UT U = I. 
Now since 

l=E_三 (15) 
and defining 

b = Ua (16) ~ 
we see that 

Q，(克，;:) = Q，(乏，乏) (17) 

Since b = 8 we see that � is in AJ if and on1y if � is in AJ' 
Therefore， we have ..... υ 

Qγ = min Q，(y，b) d b eAJ
~~ 

j (y孔)2 + 手 (y d-t 恥 ﹒ 字 )2 (19) !_ '''k 人 k - ， K+À 
k=l k=J+l 

(18) 



because the ordering Y1 � Y2 逗，• • • ，這YK and the constraint that b 1s ln 
A 幻nply tbat the optimum cnoice for b 

T 
is b，. = 1 for k s: J， otherwise 一 J - - -k 

b_ = -1. 
且 From (19) it fo11ows that Q. satisfies the recursion formula J 

1. í . 2J-K(ÿ+1)-1 1 QT = Q ﹒勾 ! Y T + -" ;;l� - ( - ! ， L"J K+). j (20) 

where the initial condition is 
K � 

= 寸 的 +1)2 . E-
L '''k -， K+). 

k=工
(ÿ +1)2 (21) 

The index J* for which Q 著s:QT for a11 J手J* determines that ô = b苦 ，J - ....J - -_ --- - I 
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A schematic diagram of the operations invo1ved in幻np1ementing the 
optimum decision rule is given in Figure 1. The equipment comp1exity is of 
。rder K 10g 玄， main1y to c訂ry out the ordering on x. That is， most of the 
equipment is for generating the transformation U(w叮ch is a fÙnction of x). '、，
2.4 Sub-Optimum Decoding: The equipment comp1exity in the optimum receiver 
becomes int。工erab1y 1arge as K increases. A sub-optimum procedure which is 
much s訂np1er can be derived by examining the situation as K approaches in
finity. We bave， using the Law of Large Numbers， that 

lim x 
k叫個

= J.I. (2的

and 
1im a =。
K-個

(25) 

白lUS， for 1arge va1ues of K 
' Q(乏，主)自11三﹒μL -d|2 +Jx (26) 

and the best choice of â is in thls case '、，
已k = sgn ("k-μ) (27) 

hence âk = sgn ("k-三) (28) 
The above decision procedure is optimum in the 1imit as K司咽and

may be approximated by means of a high-pass fi1ter， in tandem with the 
matched fi1ter as described in Section 3. 



1II. Analysis o� an easily instrumentab1e detector 

3.1 Ana1ysis: A di��erent mechanization o� the usua1 matched �i1ter det
ectorl玄employed in this section �or symbo1 detection (1，2). The approxi
mate matched �i1tering is accomp1ished with a simp1e RC 10w pass �ilter in 
conjunction with a computer to �orm a digital (or mathematical) rather than 
an electronic， dump， as i11ustrated in Figure 2. 

The noisy input p盟問s s， x(七)， which is composed o� a series o� bi
na可取斗ses o� a可litude抖�together with white noise is �ed into the symbol 
detector. 會le unit gai♂�plifi��s are employed

-
t�

-
p;�vid; i;;iati叫1

stages. The 10w pass R，C， combination in conjunction with the com趴lter1�1 
�orms the estimate o� the-sign o� the symbols every "T" seconds. The comp-
uter �orms the statistic 

Z(kT) = Y(目) - Y(kT - T) exp [-T/R1C1J (29) 

where Y(kT) is the output o� the filter combination at time kT. The sole 
purpose o� the high pass RC �ilter (of Fig. 2) is to "remove" any D.C. bias 
。r slow dri�ts that might arise in the amplifiers or in previous circuitry. 
With the high pass fi1ter removed it is easy to show that the output at 
time kT， �or a sequences of pulses， is given by 

Y(kT) = � � [1-P1J + P1Y(kT﹒的 (30) 

where ρ1 = exp [-T/R1C1J﹒ Hence "dumping" is effected by subtracting the 
initia1 condition P1Y(kT﹒T)， leaving just the output due to the present 
symbol. 1t is easy to show (without the high pass filter in the circuit 
and with。的the un�own mean) tha�

. 
as R1C1 a!，proach�

.
s i�finity ��e output 

signal-to-noise ratio approaches the same-va1ue as the known optimum 
"integrate and dump" system. Also， the effect of the high pass �i1ter is 
negligible if R2C2 > > R1C1 . 

1n order to compute the probability of error we must assume sαne
thing about the statistics of the data sequence. Hence， as in Section 2， 
we assume the "reasonab1e case" when the input symbo1s are independent 
from symbol to symbol， i.e. 

k 
p(a，J = lT p(a，J (31) -_. i=工 一

:1包.，a，. " .. .a，). In this analysis it is assumed that the D.C. '::'k I令有c''''k-l' ''.�l ' 
bias term 叫苦 μ has been removed by the high pass filter by turning the 
receiver on sufficiently long before the reception of the signa1s. 

Define �， the decision statistic generated by the c。峙的缸， as 

� = Yk - POYk-1 
where Yk = Y(叫and Po = exp [♂/ROCOJ﹒ In genera1， due to component 
tolerances， Pl手pO' Hence， to consider the stationary case we can 
write 



h(的) { I ajø(叫)+吋)} d'l' 
(34) 

where h(T) 1s the i呵u1se response of the 10w pass-high pass fi1ter combinat1on. The probabi1ity of error can .easily be computed for a particu1ar sequence of忌， then the result averaged over a11 the random variab1es of 
2;三;-Je?ot;1:2trrJEAsi:ι::::;1立r:::1:12::1:ezbt注:
the conditiona1 mean and variance to find the conditiona1 probabi1ity of error. Now 

and from (34) 
E[�I!k] = E[Ykl!k] - Po E[Yk_11!k] 

kT kT 
E[Y山.k] = I

哺
h(kT - u) I 

(35) 
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where E[﹒] is the expectation operator. It is easy to show that， for the 10w pass-high pass fi1ter of Figure 1， the impulse response is given by 
2 

h(u)=;學 師(啥。u)-Jb 叫(引) ， u � 0 (37) ""2 ""1 - ""2 ""1 -

bereα= 1/R.C i -'.'1 �i Eva1uating (36) in conjunction with (37) the conditiona1 mean is found to be given by 
" 

叫|屯] =叫去ak叫+乏足川i(pi-mflh
個

-長江-P2) L (p � - 叫-1)a叫
j=1 J 

Defin1ng the second term minus the third term in (38)的丸， the residua1 error， we have � 
E叫!k] = 金三 九(P2-P1)+ ek 品 .�.. .....1 .....2 

Consider the condit1ona1 variance term，σ2， using the conditiona1 expectation E 是k

(38) 

J=叫(九﹒叭-1.k凡-叭_11!k])2}

已[([ h(回﹒川



Which， after sσme algebra， yie1ds the fo11owing 

2
「[. 2 a /吵: . (ρP1+ P2)0'1' 

σ =寸τ 可Z石; Iγ4 ρPo - ζ句叫ρ句o � 
(川α吭1 - α0'2)ρ)2 ) J ( 切) 

Therefore the condit1oned random variab1e �I� is Gaussian with mean 

{E/T α『「?τ二 九 ( P2- P1) + 6k and variance g1ven by Equat10n (40). 
"'1 �2 

Now the average probab11ity of error is obtained by averaging over 
a11 the sequences， i.e.， 

九 = J ... J p[E L�kJ P(�)他 (她)

To eva1uate the first integra1 note that P(�) =封(1-�) +封(l+ak) and 

p[EI�k_1J = I
九

叫起]內)面k (山)

which yie1ds 

p[EI乏k_"lJ =全世[� > Olak= -1 ，此_lJ +主Pr[�< 01 ak=l，匙_lJ

For simp1ification in notation we sha11 not write the conditioned set 是k-1
exp工icit1y henceforth. Since � is conditiona1ly Gaussian we can show 
that 

� _ _ I _ � roo 1 r ‘ (Z +γ- 6k)2 
1 

Pr[� > Ol�= -lJ = .1 _ L 2 exp 卜金 2 
“ I dZ υO叫2rrσ:- l σ l 

and 

Pr[九〈村工J = 人 J2rra2 
" 

where for convenience we have 1et y be 

一位
M梢

At th1s point one can "continue and obta1n an exact expression for 
the uncondit1ona1 probabi1ity of error but this probabi1ity invo1ves an 
1nfinite summation of comp1ementary error functions which would invo1ve 
1engthy ca1cu1ations to evaluate. To ame1iorate this situat10n a reason
ab1y good approximation can be made. The approximation invo1ves the re
p1acement of e，_ wi th $，� where 6，� is a Gaussian random variab1e wi th the k ...._- - "k 
same mean and variance as 6k﹒Since 6k is given by 



J可否α工 111 
j 3.1) (川) : (pl -叭 a恥ek α1 -α2 j=l 

。。 33.1) P/Th (1-P2) I (均)(p� - PoP2u-� )ak_j α工﹒α2 j=工
where of course the ak's are random variab1es taking on va1ues 1 and -1 
wi th probabi1i ty one ha1f， 'l>le see that the mean is 

E[ ekJ = 0 since E[�J = 0 
Carrying out七he a1gebra and noting that E[ a � a � J = 6�. we obtain for the ri.J "ji 
variance 

2(;)αi 「 l-p 、 2(1-P1)(1-P2) (P1-PO) (P仇)2
σ;有苟言|可(們0)+ 1.m 

1 - P門 。l
+ γ了-:=-(P 0 _ p�)C. I J.. T P2 ζV J (46) 

Hence within the approximation for ek we have for the average pro
babi1ity of error 

pg= U zjf (音吋

(z+Y+e�)元 、
+芝 e河 - 2 -- I ì 

工-
ccs (47) 

But山ce e� is a symmetric rando肌variab1e with zero mean we see that ek 
and - e，� have the same statistics. Therefore the average error probabi1ity 
can be"written as 

PE= 〈 C z于 刊主
(
z7

) l tτ 什是]臼
(48) 

Furthermore， it is not hard to show by direct ca1culation that 

ìVhere 
刊后甘

心(x) = J 才 叫， 也 dt

(49) 



Consequent1y， the average probability of error is given by 
r:::- ct .. 

句 zt一(P2 - P1) ....1 甲乙

N(\α: 門 前在) 11-ρ、 司 xv -f一 (1 + P� - 2p(\F，) +-=-ι--;:;1守主土(p、-p(\) ι + F，.， J α1TQ'2 'V 'V .J.. (α工﹒α2) <:: \ .l.TP1 . .1. • V γ 
(50) 

where 

九= PPL(Pl+P2)α1α2+pd 
(α﹒ )

2 
1 α2 

(51) 

and 
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(52) 

Some specia1 cases of interest can be obtained from this genera1 
result. First 1et α司= 0 which is equiva1ent to removing the high pass 
fi1ter from the dete已tor. We obtain 

I (1 - P可) l 
P� = erfc l I4 刊 (53)- I I N�('JI_ Tr � � _ � 1 I N是!.1 1 -P� + (Po -ρ1)

2 
+計f(pf州

21 I l' -- L - - - - "' 1 - - J I 
E _ _ _ 

__. 
From this result we see as ;;-一τ司，惘。btain an irreducib1e error due t。

訓oCl'l.L
the error in the a池。rithm (ρ。再P1) : 
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Note that although (53) was obtained by approximating e with e� if P1 = Po 
then the error expression (equation 53) reduces tο a known主旦旦resu1t
namely r -，  

們 且I I 4E 1 - P1 I ..... = P"'T� I 1 ---- -一--- ， -E ----I iNoCl'lT 1 + P1 I 
A 10wer bound to the probabi1ity of error can easi1y b� obtained fr咽(43)
direct1y: 
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And this lower bQ盟 ld is always less than the approximate resu1t of equa
tion (50) for �E/T >。
3.2 Effect of the Quantization Noise: Up to this point we have tacitly 
assumed that a11 signals fed to the com仰ter are in analogue form. However 
digital computers require a binary representation of the signals. A quant
izer (A/D converter) can be used to effect this transformation. Conse-
quently in this section we consider the effect on perfoI可nance of placing a 
quantizer at the output of the high pass filter (of figure 2) feeding t。
the computer. 

To analyze the effect of the quantizer on the digital dump system 
we take the vie.�oint that the quantized output is composed of the true 
output plus quantization noise. In order to proceed to an expression for 
the probability of error， the distribution of the quantization noise must 
be specified. Of course the d.istribution in the quantum levels are deter
mined by the distribut.ion of the .incoming waveform .if we neglect the in-
ternal no.ise of the quant.izer. However .in most cases this d.istribution is 
very d.ifficult to determ.ine and therefore usually， in most analyses， the 
author ，.1ill hypothesize a distribution in the gap. In practice small gap 
quantizers (e.g. 的bit A/D cor附rters) have been observed (3) to have 
quantization (conversion) noise with distributions resembling a quantized
Gaussian distribution with a standard deviation of several s. 白lÏs distri
bution is primarily due to the internal noise of the quantizer. 工n large 
gap quantizers (e.g. 8 level) a UIliform distribution is probably a more 
accurate model. In this paper we shall consider only a sma11 gap quantize� 
Therefore， we hypothesize that the quantizer output can be expressed as 

X(kT) = Y(kT) + u(kT) (56) 
where u(kT) is the quantizer noise at time t = kT and that u(kT) is a nor
mally distributed random variable satisfying 

E[u(kT)] = 0 ， E[u(l的〕 u(JT)]= ds26jk (57) 
[In effect .... 'e are approximating a "discrete Gaussian" distribution with a 
continuous Gaussian distribution.] Here e is a constant of the system， s 
is the quantum level spacing， aIld Ôjk is the kronecker delta. It will be 
further assumed that there 1s a suffic1ent number of levels L so that 

P [Y(kT) � Ls ] < < PE 
where PE is the average probability of error of a bit. 

The computer forms the decision statistic 

Z(kT) = X(kT) - X(kT-T) exp (-T/ROCO) 
which after uSing (56) the above equation becomes 

�=丸- POYk-1+ �-PO�-l 

In equation
_(58) we have simplified the notation， i.e. Z(kT) = 丸 and

(58) 

ρo = exp (﹒/ROCO) ' Wi th the assw呼tion thathis an independent Gaussian 
random variab�e the modification of the previoûs analysis to include �uan-
tization is greatly simplified. Again， fixing the sequence �k' it i5 easy 



to show �I乏k is a Gaussian randorn variable with its rnean and variance 
given by 

hkk]= ;是 ak(P2-Pl) + ek 

v [丸|主KJ=半 [ 2 。吵丟(P山)?+吋
]) I吟 so:;..(1句。)。 (α1 - α2) 」

(59) 2. 2 = σ T σq 

\>Ihere e，_ is the second ang. third terms of (38). And c/ represents the 
k. _ ， _ _ \ . .. 2 first tërm of (59) w ithσrepresenting the second term which exhibits the 

conditional va�i��ce and-80nsêquent工y the effect of the quantizer. It is 
easy to show， using the sarne approxirnation for e，. as before， that the prob
abi1ity of error can be expressed as 
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After uSing (49) and some algebra we get七he fina1 resu1t 

(61) 

2 _2 2 2 2 where σ� = ß -s- and γ，σ， and σare given by equations 40， 44 and 46 res﹒ 區 內 Epectively. Clear1y as ð ζ - 0 thc: result is identica1 ，，1ith the probability 
of error expression deri�ed assuming no quantization (equation 50). 

IV. Conclusions 

The optimum decision procedure for detecting a sequence of K bin
arγpulses irnbedded in additive white Gaussian noise with unknown mean has 
been derived and shmoffi to inv01ve an ordering of the received noisy data. 
Since ordering of the Kth pu1se inv01ves log2K operations it is clear1y 
impractica1 for 1arge va1ues of K. However， for very large values of K 
decoding on a bit-by-bit basis is feasib1e and is in fact asyrnptotica11y 
optirnurn as K tends to infinity. This is because the unknown rnean (or D.C. 
bias) wi11， by the Law of Large numbers and the ergodic hypothesis， be 
equa1 to the time average of the received signa1. Therefore， the rnean 
becomes "better known" as K increases and can be subtracted out. This， in 
fact， is the function of the high-pass filter ，，/hich approximates the aver
aging process needed to remove the bias. Sirni1ar1y， the 10w pass fi1ter 
approxirnates an idea1 integrator as c10se1y as desired， and a1so a110ws 
the emp10yrnent of the digita1 dump a1gorithrn to rnathematica11y dump the 
rnatched fi1ter. 



The main result of section 3 is the expression for the probabi1ity 
of error for the digita1 dump system. Figure 3 i11ustrates the effect of 
the high pass circuit on the system and figure 4 depicts the probabi1ity 
of error versus E/N

O
T， "typica1" parameter va1ues. 
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PERFORMANCE OF A BANDWIDTH LIMITED PCM/PSK/PM
TELEMETRY SYSTEM

G. E. MILLER and V. A. JENNINGS
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Seattle, Washington.

SUMMARY

This report investigates the use of coherent and non-coherent FM/PM detectors as
applied to recovery of PCM telemetry data. Given a PCM Manchester II encoded FM
carrier, a theoretically perfect bit detector was derived. A laboratory prototype was built
and evaluated under simulated threshold conditions. Agreement with theory was
obtained within 1.50 db, using a coherent demodulator without a limiter stage.
Amplitude and phase characteristics are shown in addition to the filter circuit and
component values. Several commercial demodulators are compared against the
theoretical model. The results of the comparisons are discussed, and recommendations
concerning deficient areas are submitted.

INTRODUCTION

An investigation of a False-Code Modulated, Phase-Shift Keyed, Phase Modulated
(PCM/PSK/PM) telemetry system has been conducted to develop an S-band telemetry
system with a very high data reliability. Since the application that prompted this
investigation required a bit error rate (BER) of less than 10-6, it was desired to learn
exactly hot much degradation would be experienced in the BER using various coherent
and noncoherent demodulation systems. For the purposes of this work, it was assumed
that no further improvements were obtainable in transmitter power, receiver noise
temperature, or other radio frequency aspects of the data link. Then., the investigation
was confined to the conditions at or near signal threshold to simulate the “worst case.”
With these constraints, the ratio of average bit energy to noise power spectral density at
the demodulator system input was used as a “common denominator” -- the independent
variable against which the corresponding bit error rates could be compared.



ENCODING TECHNIQUE

The nonreturn-to-zero (NRZ) PCM data is used to phase-shift key a square-wave
subcarrier having a repetition rate equal to the bit rate. The same technique is sometimes
referred to as PCM Manchester II encoding. The resultant baseband signal is then
filtered to restrict the bandwidth and is applied as modulation to a phase-modulated S-
Band transmitter. The peak phase deviation is restricted to ±1.5 radian to retain sufficient
carrier power to permit the use of a receiver with a modulation-restrictive phase-locked
loop demodulator.

The use of Manchester II encoding might be challenged because it produces an RF
spectrum nearly twice as broad as would be produced by simple NRZ encoding. The
broader spectrum, however, does not degrade the system performance if coherent
demodulation is employed. The principle advantages to be claimed for Manchester II
encoding are:
1. The baseband spectrum is shifted upward in frequency so that low-frequency

components do not exist, regardless of the bit pattern.

This greatly simplifies the handling of the baseband signal, particularly through a
tape recorder, since ac coupling may be used without distorting the signal. Also,
the system is less susceptible to low-frequency noise produced either by the tape
recorder or by phase instability in the transmitter and receiver. The latter becomes
a very important consideration in an S-band system because of the high-order
frequency multiplication that necessarily must follow the crystal oscillator in both
the transmitter and receiver.

2. The baseband signal shows at least one zero-crossing per bit. In contrast, PCM-
NRZ contains no zero-crossings if there are no changes of state. The guaranteed
minimum number of zero-crossings in a PCM Manchester II system insures rapid
lock-up and sustained synchronization of the bit synchronizer, regardless of bit
pattern. This is because the bit rate information is invariably derived from zero-
crossings alone. Reliable synchronization is extremely important iq this system
because the bit error rate should not exceed 10-6. With poor synchronization, large
amounts of data could be lost if the bit pattern displayed a relatively small number
of zero-crossings.

3. The isolated carrier, characteristic of a PCM Manchester II system due to the lack
of low-frequency baseband components, is highly desirable. When coherent
demodulation is used, it minimizes the possibility of acquiring phase-lock to one
of the sidebands instead of the carrier. This phenomenon, commonly termed
“falselock,” yields a receiver output that is totally undecipherable and is therefore
useless.



The efficient performance of this system is predicated on the use of coherent
demodulation in the receiver. One shortcoming of most common coherent demodulators
is the inability to acquire phase-lock to the carrier unless that carrier is significantly
larger than the closest sidebands. As pointed out above, the use of PCM Manchester II
encoding helps to minimize this problem. The problem still exists, however, and false-
lock becomes more probable as the receiver tuning error (at t6 time of acquisition)
increases, and also an the bit pattern includes a larger number of 101010 . . . transitions.
The latter condition concentrates more sideband power closer to the carrier. Even under
the best conditions, operator skill is an important factor in successfully acquiring phase-
lock to the carrier. There are many schemes incorporating “anti-sideband circuits” to
prevent false-lock. However, at this time, these special circuits have not been evaluated
and it does not appear that they are in common use at any of the various test ranges.

MODULATION TECHNIQUE

Transmitter efficiency is usually an important consideration. If solid-state design with
varactor frequency-multiplication is used, then linear power amplification is impractical.
Using this as a ground rule, the system designer is forced to employ a constant-envelope
angle-modulation system, i.e., PM or FM.

If the best possible system performance is demanded for a given transmitter power, given
antenna system gain, and given receiving system noise temperature, then the logical
modulation technique is no doubt phase modulation since it is more amenable to
coherent demodulation. This is particularly true if the modulation bandwidth is large,
because the coherent frequency demodulator requires that the entire phase-locked loop
respond to the modulation. The coherent phase demodulator, by comparison, requires
only that the loop respond to carrier variations, greatly simplifying the receiver design.

If phase modulation is used, and If a coherent demodulator is used, then it is desirable
that the peak deviation angle be as close to 90 degrees as possible, provided that
sufficient carrier remains to permit the receiver to reliably acquire phase-lock. For the
specific system considered in this report, a peak deviation of ±1.5 radians (86 degrees)
was found to be a good choice. In other systems where the ratio of permissible RF
bandwidth to bit rate is greater, and where faster bit transitions my therefore be tolerated,
a somewhat smaller angle might be more desirable.

If sufficient power is available so that the losses associated with noncoherent
demodulation can be tolerated, then better performance will be obtained with a peak
phase deviation near ±60 degrees. Also, under these conditions, there is little reason for
selecting FM or FM. The optimum phase deviation angle for both is near ±60 degrees
and the two perform equally within a small fraction of db.



1 G. E. Miller, “Design and Performance of a Bandwidth Limited PCM/PSK/PM Telemetry
System,” The Boeing Company, Document Number D2-125505-1.

If, as in this specific system, both coherent and noncoherent demodalators are used for
their separate advantages, then the choice of deviation angle should be based an which
demodulator is most likely to succeed. If they appear equally likely to succeed, then a
compromise of ±75 degrees is perhaps in order, even though this choice is sub-optimum
for both demodulators.

The bit detection process requires that all modulation waveform, zero-crossings coincide
closely with the regenerated bit rate in the bit synchronizer. The regenerated bit rate is
periodic so it is important that the zero-crossings all occur midway between the bits,
regardless of the direction of transition. The ideal premodulation. filter in this sense is
one which has a cosine response to a step function. It has been found that this
characteristic can be approached very closely with a Gaussian lowpass premodulation
filter of fifth order or higher. It was found that an optimum value for the ratio of -3 db
bandwidth to bit-rate was 1.2 for all Gaussian lowpass filters regardless of order. For the
same filter in a PCM-NRZ system, the optimum ratio would be 0.6. This optimum ratio
is the minimum ratio that will allow the amplitude of the narrowest pulses to remain
closely equal to the amplitude of the widest pulses. In this particular system a ninth-order
filter was found necessary to confine the RF spectrum within the allotted channel
bandwidth.

Comparisons with the theoretical performance of the noncoherent demodulator were
purposely avoided because the results of known analysis methods have seldom been
realized in practice -- most likely because of the large number of simplifying
assumptions that must be made to make the problem manageable.

APPROACH TO THE PROBLEM

Theoretical models were developed1 for the ideal coherent integrating bit detector, and
for the ideal modulation-restrictive phase-locked loop demodulator. Because, in both of
these models, only the best possible performance is of interest, many of the degrading
factors encountered In practical systems are intentionally ignored. The theoretical
performance does not include degradation due to any of the following non-ideal
conditions:

1. Phase noise (jitter) and phase error in the transmitter and receiver.
2. Phase noise and phase (timing) error IN the bit detector reference.
3. Amplitude and/or phase nonlinearity in the transmitter, receiver and bit detector.
4. Background noise other than Gaussian.



The theoretical bit detector performance is compared with the measured performance of
a laboratory model bit detector. The laboratory model is then used in a number of
subsequent tests where the comparative performance of various demodulators is
determined. Extreme care was taken in the design of the model bit detector so that its
performance would approach the ideal as nearly as possible.

Tests are then conducted on a variety of demodulators, both coherent and noncoherent,
(a) with different types of filters, (b,) with different filter bandwidths, and (c) with and
without limiters. In all cases the measured performance is compared to that of the
theoretical model in terms of the average bit energy to noise power spectral density ratio
at the demodulator input, and in terms of bit error probability at the bit detector output.
Because of the differences in the signal spectrum and in the bit energy distributionY all
tests were conducted with a 1010---repetitive bit sequence and again with a random bit
distribution.

The equipment used in the laboratory tests was largely in breadboard configuration. A
large number of optimizing adjustments were thus available that eliminated or minimized
many of the imperfections normally encountered in operating system hardware. It was
found that theoretical performance was approached closely only after a number of
adjustments were carefully made, and even then only after the demodulation system
configuration was carefully selected. Because of the idealized conditions of these tests,
the results may seldom be duplicated in practice. However, they do represent limits
which may be approached in practice, provided that sufficient care is taken.

SYSTEM DESCRIPTION

The operational system is described by the functional block diagram of Figure 1. The
laboratory model is described by the functional block diagram of Figure 2. This model
differs from the operational system in that attenuation and noise injection are substituted
for the RF link, and hard-wire synchronization is substituted for part of the bit
synchronizer function.

Figure 3 shows the amplitude and phase characteristics and the schematic diagram for
the premodulation filter used in all laboratory tests. The output of the premodulation
filter is shown in Figure 4 (a). The resultant modulation spectrum and RF spectrum are
shown in Figures 4 (b) and 4 (c) respectively.

PERFORMANCE OF THE LABORATORY MODEL BIT DETECTOR

The purpose of the first test was to determine how closely the theoretically predicted
performance could be approached in practice using a carefully-adjusted integrated-and-
dump type bit detector and an essentially perfect communications link. A second purpose



of this test was to gain accurate knowledge of the Bit Generator, Bit Detector, and Bit
Error Detector performance. These elements would then be used in subsequent tests to
determine the degrading effects of non-ideal communications links.

 Description of Model

The test setup shown in Figure 5 included the following basic elements:

1. PCM Generator. This unit generated PCM-NRZ with a bit rate of 345.6 KBPS. It
was capable of generating either a 1111 sequence, a 1010 sequence, or a random
sequence, the latter being accomplished by sampling the output of a random noise
generator. The PCM-NRZ output was used by the bit error detector as a
comparison reference for determining the presence of bit errors.

2. Biphase Converter. This unit converted the PCM-NRZ data into PCM Manchester
II format.

3. Low Pass Filter. This was a nine-pole linear-phase lowpass filter. The amplitude
and phase characteristics are shown in Figure 3. The noise bandwidth, determined
by planimeter integration of the amplitude characteristic, was 450 KHz.

4. Noise Source. A commercially packaged noise source with the necessary flat
spectrum was not available. Consequently, the noise source shown was used. Two
70 MHz IF amplifiers with a bandwidth of 10 MHz were cascaded and the input to
the first was terminated in its characteristic impedance. The output spectrum of the
second amplifier was applied to a broadband double balanced modulator and
converted by a 70 MHz oscillator down to a center frequency of zero. An analysis
of the resulting spectrum showed it to be very flat to approximately 3 MHz. The
noise level was adjusted by varying the AGC control voltage on the second IF
amplifier.

5. Bit Detector. This unit included a synchronous demodulator operating at the bit
rate to convert the PCM-Manchester II into a standard NRZ format. Bit decisions
on the resultant PCM-NRZ were made by an integrate-and-dump detector
followed by four stages of hard limiting. The reference bit rate for the synchronous
demodulator and the integrator discharge pulses were both derived., with
appropriate timing adjustments, from the original clock which drove the PCM
generator. Because of this connection, bit synchronization was essentially perfect
and no errors could be attributed to imperfect sync.

6. Bit Error Detector. The NRZ output of the PCM Generator was delayed through a
multi-tapped delay line to coincide in time with the output of the Bit Detector.



Immediately prior to discharging the integrator, a comparison was made of the two
signals and all polarity dissimilarities were counted as bit errors by an electronic
counter. The counting interval used was five minutes, corresponding to 1.0368
(108) bits. Five minutes was found to be long enough to yield repeatable results
and yet short enough to allow the measurements to be made in a reasonable length
of time.

7. Clock. The basic clock was a Hewlett-Packard Oscillator, Model 650A. This
oscillator in turn drove three separate pulse generators (Data Pulse Model 106) to
provide the necessary delayed clock pulses.

Laboratory Seating

Two tests were conducted., one with an alternate 1010 bit pattern, and the second with a
random bit pattern. In each case, the rms noise voltage and rms signal voltage were
measured independently at the output of the low pass filter with a true rms voltmeter.
From the rus values, the average bit energy (E) and noise spectral density (No) were
calculated from the following relationships:

where:
Vs = rms sigma voltage
Vn = rms noise voltage
Bn = filter noise bandwidth = .45 (106)

Because it was known that some manufacturers of bit synchronizers include a limiter
rather than an AGC ahead of their integrator, the above tests were repeated with a hard
limiter ahead of the bit detector. The limiter had a limiting ratio of approximately 60 db.
Figure 6 (curves c and d) shows the performance with the hard limiter included ahead of
the integrator. For both the equal-energy case and the random bit case, the limiter
degraded performance by about 2.8 db at a BER of 10-6.

The results of the above tests without the limiter are shown In Figure 7 (curves c and d)
for the tvo cases of equal energy bits (1010---) and random bits respectively. In both
cases the experimental data falls within 0.25 db of the theoretically predicted
performance. However, this agreement was attained only after very carefully adjusting
the demodulator reference phasing, the integrator gate timing-and the decision threshold
level in the bit decision circuit.



The most critical adjustment was that of the decision threshold level. The best method
found for making this adjustment was to apply noise only (no signal) and then to make
the adjustment for Pe = 0.5; that is, for a bit error rate equal to one-half the bit rate.
Having conducted these tests, it is now firmly believed that any specification for a bit
synchronizer should include a specification giving acceptable tolerances on the indicated
bit error rate in the presence of noise only. This is a very sensitive test.

Agreement with theory was good enough that the circuits could be used in subsequent
tests for determining the amount of degradation caused by various non-ideal
communications links.

PERFORMANCE OF THE SYSTEM MODEL

In the following tests, the performance of a system model was empirically determined. A
block diagram of the system model is shown in Figure 1. In all cases, the baseband signal
was generated, detected and evaluated in terms of bit error probability using the
equipment described earlier. However, an RF link and noise source as shown in Figure 8
was included between the baseband generator and the bit detector. The principle
independent variable in all tests was the ratio of bit energy to noise power spectral
density which was measured in the PF transmission band. A second independent variable
in most tests was the predemodulation (IF) bandwidth.

DESCRIPTION OF THE MODEL BY LINK

Phase-Modulated Transmitter

A phase-modulated transmitter was simulated using a wideband microwave subcarrier
modulator (RCA Model MM-600-A-6). Being basically an FM modulator, it was
preceeded by a passive differentiator to make the conversion from FM to PM. This
instrument had a modulation bandwidth of approximately 6 MHz and an RF bandwidth
of approximately 50 MHz. Consequently, the transmission bandwidth was controlled
almost entirely by the premodulation lowpass filter. The RF output frequency was 70
MHz and, with most receivers, it was necessary to convert to a different frequency using
a balanced modulator (Hewlett-Packard Model 10514A) and a conversion oscillator
(Hewlett-Packard Model 3200B). In all tests the premodulation filter shown in Figure 3
was used and the peak phase deviation was 1.5 radians.



Calibrated Noise Source

RF system noise was generated by cascading two broadband IF amplifiers. The input to
the first was terminated in 50 ohms and the noise level was adjusted by varying the AGC
control voltages. The flat spectrum width was approximately 6 MHz centered about
70 MHz.

Linear Mixer

Linear mixing of the 70 MHz sigma and noise spectra was accomplished at the two
differential inputs to a third 70 MHz IF amplifier (LEL Model 6058). This amplifier
featured a voltage-controllable bandwidth which was useful in several tests where
bandwidth was a variable. In the standardizing of signal and noise powers at the output
of this amplifier, the bandwidth control voltage was always set to a value for which the
noise bandwidth was precisely known. The unmodulated carrier power was then
measured with the noise generator removed and the noise input terminated in its
characteristic impedance. The noise power was then measured in a similar manner.

Power Comparator

The unmodulated carrier power and noise power were set equal by comparing them
separately through a power comparator. This consisted of a balanced modulator and
conversion oscillator combination which converted the spectra center frequency from
70 MHz down to 5 MHz. At this Point the level was indicated by a true rms voltmeter
(Hewlett-Packard Model 3400A) having a flat frequency response from 10 Hz to
10 MHz. This combination was much more stable and consistent than other RF power
meters used in earlier tests.

Variable-Bandwidth -IF Amplifier

This 70 MHz IF amplifier (LEL model 6058) had a normal bandwidth of approximately
10 MHz. It included a single-pole voltage-controllable network permitting the -3 db
bandwidth to be varied from approximately 0.5 to 10-0 MHz. The bandpass
characteristic of this amplifier was determined at a number of different control voltages
using a vector-voltmeter (Hewlett-Packard Model 8405A). The characteristic was
carefully platted and integrated with an analytical balance to determine the effective
noise bandwidth.

Four commercially manufactured receivers were selected to be compared against an ideal
demodulator. Principle characteristics of these items were as follows:



A. This was a standard range receiver capable of demodulating both PM and FM
either coherently or noncoherently. Tests on this receiver were conducted in three
different modes of operation. In all cases the 70 MRz transmitter signal was
converted down to 10 MHz and injected into the 10 MHz second IF filter and
amplifier.

One series of tests was conducted in the normal coherent PM mode. In this mode,,
the demodulator was in the modulation-restrictive phase-locked loop
configuration. The phase detector was preceded by a limiter.

A second series of tests was conducted in the coherent PM mode but without a
limiter. Actually, this coherent demodulator incorporated two phase detectors
driven in quadrature. One was preceded by the limiter and served as the normal
phase detector. The second was driven by a linear amplifier and normally served
as a coherent AM demodulator. In those tests involving a “coherent phase
demodulator without a limiter,” the phase reference to the quadrature phase
detector was rotated to 90 degrees to enable it to perform the function of a phase
demodulator., but without a limiter. In this mode., the loop error voltage was still
supplied by the normal phase demodulator, preceded by a limiter.

A third set of tests was conducted with this receiver operating as a noncoherent
phase demodulator. This was done by operating the receiver in the noncoherent
FM mode and following it with an external passive integrator.

In some tests, the normal plug-in IF filters were used. In other tests, IF filtering
was provided externally by the LEL 6058 variable bandwidth IF amplifier.

B. This item used a conventional Foster-Seeley type FM discriminator preceded by a
limiter. The IF bandwidth was 60 MHz and the post detection bandwidth was
9.5 MHz. Since the IF center frequency of this demodulator was 70 MHz, no
frequency conversion was necessary. IF bandwidth restriction was provided by the
LEL 6058 variable bandwidth amplifier and, for the demodulation of PM, an
external passive integrator was used.

C. This receiver incorporated a standard Foster-Seeley type FM discriminator and an
internal integrator which enabled it to function as a noncoherent FM demodulator.
The transmitter sigma was converted to 10 MHz and injected into the second IF
filter and amplifier.

D. This receiver also incorporated a Foster-Seeley type FM discriminator and an
internal integrator. As with item C. the transmitter signal was converted to
10 MHz and injected into the second IF filter and amplifier.



TEST PROCEDURE

In all tests the S/N ratio was standardized by first setting the control voltage of the
variable bandwidth amplifier to 10 volts which provided an effective noise bandwidth of
1.08 MHz. The signal input was then connected to the unmodulated transmitter, the noise
generator was removed the noise input was terminated in 50 ohms, and the carrier
frequency was adjusted for a maximum indication on the power comparator, thereby
centering the carrier in the passband. The indicated transmitter power vas then noted.
Then the signal source was removed, the signal input vas terminated in 50 ohms, and the
noise input was connected to the noise source with the step attenuator set-at zero db. The
noise amplitude was then adjusted for a power comparator indication equal to that
obtained with the transmitter. The foregoing procedure was repeated as necessary until
equality was achieved. Both signal and noise inputs were then connected and the output
vas connected to the demodulator being tested. Care was taken to ensure that the variable
bandwidth amplifier vas operating within its linear range on the mixture of signal plus
noise. Care was also taken to maintain input levels such that neither the variable
bandwidth amplifier nor the demodulator under test were contributing significantly to the
total noise.

The noise level was then adjusted using the step attenuator to provide the desired S/N
ratios. The bit energy to noise density ratio was calculated from the following
relationships.

When standardized:

For step attenuator settings equal to X db,

Bc/No = 4.96 + X db

The bit errors in all cases were counted for a period of five minutes and the bit error
probability was computed from the relationship:



In each situation, all timing functions in the bit detector were carefully adjusted for a
minimum bit error rate.

TEST RESULTS AND CONCLUSIONS

The test results are shown in Figures 9 through 16. Because of the large number of
curves on some of these sheets, the individual data points are not shown. It was
extremely unusual, however, for a data point to be displaced from the plotted curve by
more than 0.2 db. Many of these curves are identified by letters appearing at each end.
These letters denote tests made at the following IF bandwidths:

Figure 16 compares the best performance achieved with the following demodulator and
filter combinations. Letters A through D identify the commercial units described earlier.

A - Coherent phase demodulator without limiter. IF - 3 db bandwidth = 1.61 MHz. IF
integrated noise bandwidth 2.36 MHz.

A1- Coherent phase demodulator preceded by limiter. IF - 3 db bandwidth = 0.79
MHz. IF integrated noise bandwidth = 1.19 MHz.

A2- Noncoherent frequency demodulator preceded by limiter and followed by
integrator. IF - 3 db bandwidth = 1.61 MHz. IF integrated noise bandwidth = 2.36
MHz.

B - Noncoherent frequency demodulator preceded by limiter and followed by
integrator. IF - 3 db bandwidth = 1.61 MHz. IF integrated noise bandwidth = 2.36
MHz.



C - Noncoherent frequency demodulator preceded by limiter and followed by
integrator. Plug-in IF filter - 3 db bandwidth = 1.5 MHz.

D - Noncoherent frequency demodulator preceded by limiter and followed by
integrator. Plug-in IF filter - 3 db bandwidth = 1.5 MHz.

The curves labeled “Theoretical” apply to the ideal coherent demodulator system.

Referring to Figure 16, curves A show the closest approach to the theoretical to be
realized with the coherent demodulators used in these tests. The random bit performance
is 1.5 db poorer than theoretical. This difference is believed to be largely attributable to
the nonlinear amplitude characteristic of the IF amplifier in this particular receiver and to
the poor phase linearity of the predemodulation filter. Also, with the IF amplifier gain set
for reasonably linear operation, the IF amplifier introduced some very slight additional
noise which is not accounted for.

Curves A1 show the best performance achieved when a limiter was included before the
coherent demodulator. The degradation introduced by the limiter was approximately 0.6
to 0.9 db. The degradation noted would probably have been closer to 2 db had the IF
amplifier and filter been more nearly perfect.

Curves A2, B, C and D show the best performance obtained with various noncoherent
demodulators and their associated predemodulation filters. There is a spread of about 3
db between these curves and this is believed due to the filters, since the demodulators are
all of the same basic form. It should be noted that in all cases the - 3 db bandwidth was
approximate1Y 1.5 MHz.

No curve has been shown in Figure 16 to define the performance of the ideal
noncoherent demodulator. The reason is simply that the problem is much too complex
for confident analysis. Many writers have presented mathematical models which define
with fair accuracy the performance above the threshold. Sam have predicted the
performance in the vicinity of threshold, but these are generally in poor agreement with
experimental results. In addition, none of these analyses consider application to a binary
system. The main problem is that the character of the noise changes abruptly when in the
vicinity of threshold. Above threshold the noise is basically distributed with a Gaussian
amplitude probability. In the presence of this distribution the performance of the binary
system may be accurately predicted. Below threshold the noise resembles Gaussian
distribution with a mixture of sharp impulses. The impulses are caused by noise peaks
which exceed the signal amplitude thereby causing momentary changes in the state of the
limiter. The results are phase transients with a total excursion near 360E. At the receiver
output these transients are predominately toward the center axis of the modulation
waveform, thereby subtracting from the modulation regardless of the polarity of the



modulation. This is therefore a destructive process rather than an additive process. That
is, the noise replaces the data rather than simply adding to it. The result is a much higher
bit error probability than would be expected from the rms value of the noise.

When the receiver is operating in the vicinity of threshold, the bit error probability may
be several orders of magnitude greater than that normally indicated by the familiar
noncoherent demodulator characteristic curves.

Also, the rate of occurrence of noise impulses at the demodulator output is proportional
to the radius of gyration of the predemodulation filter. Consequently, any bandwidth in
excess of that required to pass the signal will degrade the system performance.

In contrast, the coherent linear (non-limiting) phase demodulator treats both signal and
noise in a linear manner with the result that the output noise remains purely Gaussian
and purely additive. Also, the output noise spectral density in the modulation band is
independent of the bandwidth of the predemodulation filter. The bandwidth of the
predemodulation filter therefore need only be wide enough to accommodate the signal
and narrow enough to prevent overloading the receiver. Excess bandwidth between these
limits does not degrade the system performance.

Analytically determining the performance of a binary communications system that
involves a noncoherent frequency demodulator and integrator it a difficult problem,
because the SIN ratio over the entire range of interest lies either below threshold or in
the transition region. We are never concerned with the performance above threshold
because the bit error probability is always zero for all practical purposes.

The impulsive nature of the noise near threshold is inherent and unavoidable in the
limiter-discriminator combination. It follows that the only means available for improving
the system performance when using a noncoherent demodulator is to reduce the
threshold. This requires that the radius of gyration of the predemodulation filter be
reduced. This in turn is somewhat equivalent to reducing the noise bandwidth of the
filter. Since the filter bandwidth also must be great enough to pass the most significant
sidebands of the signal, the optimum bandwidth is that which provides the highest S/N
power ratio at the limiter output. The filter should also offer a constant time delay over
the band of frequencies occupied by the more significant sidebands. Most commercial
receiver IF filters evaluated having optimum bandwidths do not have a sufficiently
constant time delay. This causes distortion of the modulation waveform.

As was expected, the best performance was obtained in the laboratory tests using a
coherent phase demodulator without a limiter. The best performance obtained was 1.5 db
poorer than theoretical.



Placing a limiter ahead of the demodulator degraded the performance by an additional
1 db. The best noncoberent performance experienced was 4.7 db poorer than the
theoretical for coherent demodulation. A variety of noncoherent demodulators were
tested and a spread of about 3 db was found in their performance.

It was found that the most universally inadequate element in all receivers tested was the
predemodulation (IF) filter. Considerable work should be done to define properly the
ideal filter for this purpose and to develop a production model of this filter. It is believed
that the performance of the noncoherent demodulator in this application could be
improved by nearly 2 db by substituting a properly designed IF filter.

There remains some doubt as to the exact characteristics of the predemodulation (IF)
filter which might be considered “ideal” for use in this system. There is no doubt that the
ideal filter should have a linear phase characteristic, that is, it should show constant time
delay over the passband. Standard practice in critical pulse communications systems is to
use a bandpass filter with a linear phase characteristic, or to use one with a maximally
flat (Butterworth) amplitude characteristic and then linearize the phase characteristic
near the band edges with allpass phase-correcting networds.

For the ideal receiver using a linear phase detector and no limiter, the predemodulation
bandpass filter should have a linear phase characteristic and a flat amplitude
characteristic over a band including all significant sidebands. For this ideal receiver,
additional bandwidth beyond that required to Include all significant sidebands is in no
way detrimental, provided that the receiver and bit detector are not overloaded by the
out-of-band noise and continue to treat the mixture of sigma and noise in a linear
manner.

An ideal limiter tends to maintain a constant output power regardless of the amplitude or
spectrum of the input. It would therefore appear that.9 if the receiver employs a limiter,
the predemodulation filter should have an amplitude characteristic which maximizes the
limiter input signal/ noise ratio. Then the state of the limiter would be determined by the
noise for the least amount of time. Consequently, the bit energy would be least
frequently obliterated by the noise.

The coherent phase demodulators used in telemetry receivers for PCM could be
improved not only by improving the filters,,but also by improving the amplitude linearity
of the IF amplifiers and by eliminating the limiter from the signal path. The signal
amplitude variations resulting from the absence of the limiter would not be harmful if bit
detection were accomplished by a well-designed coherent integrating bit detector. This
form of bit detector is inherently insensitive to amplitude variations.



Bit Detection Process

It has been proven possible to approach theoretical performance within 1/4 db with a
properly designed coherent integrating bit detector, provided that a properly phased
noiseless reference is used. It has also been found that some commercial bit
synchronizere are available whose performance is within 1/2 db of theoretical. Certain
other bit synchronizers, notably those incorporating a limiter at the input, cannot perform
in an optimum manner. It has been found that inclusion of a limiter at the input alone
will degrade the performance by about 3 db. It has also been found that commercial bit
synchronizers which are free of manual timing adjustments., and which normally
perform very well on an undistorted input signal, do not necessarily perform in an
optimum manner when the input vaveform is distorted (for example, by a
predemodulation bandpass filter with inadequate phase linearity). In the usual bit
synchronizer, the regenerated bit rate is derived from the zero-crossings of the input
waveform. All timing functions such as integrator discharge and integrator output
sampling are subsequently derived from the regenerated bit rate. Filter phase nonlinearity
has a tendency to make the instant of zero-crossing a function of bit pattern. This makes
the crossings aperiodic. Under these conditions., the regenerated bit rate remains
periodic and phased with the average zero-crossing. The integration interval then spans
parts of two or even three bits, producing a form of intersymbol interference. This
enforces the recommendation that predemodulation filtering needs considerable
improvement.

It Was found that the simplest and most sensitive quick test for verifying the satisfactory
performance of a bit detector vas to apply an input consisting of noise only and no
signal. Under these conditions the probability of error is 0.5 so a bit error rate counter
should indicate a bit error rate equal to one-half of the bit rate for a properly functioning
bit detector.
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A PCM-TELEMETRY SYSTEM FOR SOUNDING
ROCKET PAYLOADS

R. HOMMEL
Institut für Satellitenelektronik of the Deutsche

Versuchsanstalt für Luft- und Raumfahrt
e.V., Oberpfaffenhofen.

Summary    Complex sounding rocket payloads require on-board data processing and
channel capacity which frequently exceed the capability of the standard FM-FM-
telemetry system. To obtain the full benefit of the accuracy and information density of
sounding rocket experiments a PCM-telemetry system has been developed which
provides sufficient flexibility in the choice of channel number, bit rate, time resolution,
and accuracy. A first version with Bo channels for scientific data, and 62 channels for
technical data will be flown on board of five Black Brants from the Esrange in Kiruna.

Introduction    A versatile PCM-telemetry system for sounding rocket payloads has
been designed and developed by the Institut für Satellitenelektronik of the Deutsche
Versuchsanstalt für Luft- und Raumfahrt, Oberpfaffenhofen, together with AEG-
Telefunken, Ulm, to overcome the restrictions in on-board data handling imposed by the
standard FM-FM-telemetry system. The general design philosophy was to provide
maximum flexibility, and ease of individual adaption to the various requirements of a
payload.

Special features of this telemetry unit are pulse height analysis and analog data
measurements with an accuracy up to 12 bit. Except of a few special subunits the system
is manufactured completely in micro-electronic technique.

In the following the basic system is described as well as the special design for five Black
Brant payloads which will be flown in the polar light zone within the scope of the
German-American project AZUR.

System Description    The telemetry system consists of a few basic functional blocks
with compatible interfaces (fig.1):

a)  Analog Multiplexers:  The multiplexer unit contains 4 or 16 FET-switches, the
appropriate control gates, and decoding elements together with inhibit lines providing
the possibility to combine up to 64 parallel channels which are controlled by only 6



1 Ph. HARTL, R. HOMMEL, H. LIEBELT, and E. TRIENDL, “Possibilities of PCM-Encoding”,
Proc. of the ITC, 1967

binary lines. If more than 64 analog channels should be multiplexed several slave
multiplexers can be connected by a master multiplexer without deteriorating the accuracy
of the multiplexed signal.

b)  Analog-Digital-Converters:  A series of analog-digital-converters offers 6.8,1o, or 12
bit resolution for the conversion of the small cases (length 29 mm, height 3 mm, depth
15 mm, weight 5 g) , and operates in the successive approximation mode with a clock
frequency of 5o kc at a power consumption of 4oo mw. A 14-bit-ADC of the same
physical dimensions is also available with a maximum clock frequency of 15 kc, and a
power consumption of 7oo mw. To the 14-bit version a correction table has to be applied
to obtain the full precision.

The analog-digital-converters (with the exception of the 14-bit ADC) can be
supplemented by a sample-hold-circuit having an aperture time of 4/usec at a signal
source impedance below 1 kS.

c)  Count-Shift-Registers:  A number of sounding rocket particle detection experiments
send statistical pulses to the telemetry unit in order to measure the number of pulses
during a given time interval. Generally these pulses are counted in binary counters. At
the end of the time interval the information is transferred in parallel form to a central
shift register, and there converted into serial form. The binary counter is then reset, and
another counting cycle started. Since each stage of the shift register, however, has to be
connected to the gates multiplexing the counters a large number of lines running from
the counters to the shift register would be necessary significantly impairing the
flexibility of the system. The other method to add a separate shift register to each counter
increases power consumption and weight of the whole system.

A new approach to the parallel to serial conversion is the use of count-shift-registers
which results in a considerable simplification of the logic circuitry.1 Only the clock
pulses and the appropriate word pulses have to be provided for the operation of count-
shift-registers. During the readout of the information “zeros” are shifted into the
registers; therefore, the registers are automatically reset at the beginning of each
counting period. Without any change of the logic concept of the telemetry system count-
shift-registers can be added or omitted within the scope given by the maximum number
of words per frame. similarly to the insertion of more or less VCO’s in a FM-FM-
telemetry system according to the specific volume of data to be transmitted.

Arbitrary register lengths can be composed from individual count-shift-flip-flops
available in thick film technique. Nominal register length, however, is 12 flip-flops



which are contained in one small package (length 29 mm. height 13 mm, depth 23 mm).
The power consumption per bit is about 1 mw.

d)  Pulse Height Analyzers:   The measurement of pulse amplitudes is frequently
required by particle detection experiments. Therefore, it was felt that the incorporation of
a pulse height analyzer into the telemetry system would be of value since it allows a
simplification of the electronics of the experiments, and increases the information
density during the relatively short flight of a sounding rocket. Fig. 3 shows the block
diagram of the pulse height analyzer. The analog multiplexer scans the experiment
channels which should be analyzed. The inhibit circuit prevents pulses arriving in the
hold circuit as long as the digitizing process of the preceding pulse continues. In the
h6ld-circuit the pulse amplitude is stored, and held to a constant level for the analog-
digital-conversion.

The conversion is performed by a high-speed ADC operating in the successive
approximation mode with a clock frequency of 2.5 Mc. The parallel bit pattern generated
by the ADC corresponds to a certain pulse amplitude level and addresses the
corresponding counter through an 1 of 64 (32,16)-decoder. The content of the selected
counter is then increased by “1”.

Since the amplitude analyzing process should be performed during exactly the same time
for all amplitude values, whilst the read out command sequentially scans the counters, all
counters must be buffered. The buffer accepts simultaneously the information of all
counters, and sends it one after another to the output logic of the telemetry system.

The pulse height analyzer can accept pulses of amplitudes between 0 and 5.12 v, pulse
widths of at least 2oo nsec, and of a shape typical for the output of charge sensitive
amplifiers (fig. 3a). The pulses have to be spaced at least 4/usec apart (3/usec for the
4-bit version); this time is required to store the pulse in the hold circuit, to digitize its
amplitude, and to clear the ADC by the output buffer. Therefore, theoretically up to
25o.ooo pulses could be analyzed in one second.

e)  Programmer, Subfram Programmer, and Output Logic:  The programmer contains the
crystal controlled clock generator, the bit-per-word-counter, the words per frame
counter, and the necessary decoding elements for the generation of the word pulses for
the count-shift-registers. Standard word length is 12 bit, standard frame length
32,64,128, and 256 words. For-subcommutation a frames-per-subframe-counter is
contained in the subframe programmer. The output logic provides the synchronization
words and converts the NRZ-signal of the ADC, and count-shift-registers into the
desired output code.



Technology    Wherever possible, monolithic or thick film technique or a combination of
both has been utilized throughout the system. The only departure from this guideline was
made in submodules which contain a low number of components only, and where the use
of micro electronics would have been exceedingly expensive or would have caused
technical disadvantages. A benefit of the combined monolithic-thick film technique is
the reduction in weight and volume, because integrated circuits and transistors can be
mounted in unencapsulated form, and increased reliability, because the mechanical
rigidity of the ceramic plate and the thick film network is superior to a conventional
construction with discrete elements. The speed of the circuit is improved since
connections between individual elements are extremely short and uncontrolled capacities
are considerably reduced.

The use of thick-film technique has the obvious advantages over the pure monolithic
technique that a basic circuit can be easily modified to fit individual application
requirements, p.e. the analog-digital-converters can use the same layout for the 6,8,lo,12
or 14 bit version. Another reason for the application of thick-film-technique is the facts
that in a few cases integrated circuits with the special properties required by a specific
application are not available on the market or do not have the optimal relation between
power consumption, and speed which can be achieved by thick-film-technique since
passive elements, and high value resistances can be easily realized with high accuracy.

With the exception of some linear microcircuits the semiconductor elements of the
microwatt series of AEG-Telefunken are used in the telemetry system.

System Design for the Polar Light Zone Sounding Rocket Payloads:   Eight experiments
(proton, electron, alpha detectors, photometer, EUV-monochromator, UV-spectrometer,
proton magnetometer, search coil) require the following telemetry channels:

a) 62 technical analog channels, sampling rate 3/sec, resolution 8 bit
b) 7 scientific analog channels, sampling rate loo/sec, resolution 8 bit
c) 1 scientific analog channel, sampling rate 5o/sec, resolution 12 bit
d) 37 pulse rate measurement channels, sampling rate 5o/sec, resolution 8 bit,

maximal pulse rate 2-1o5/sec
e) 12 parallel digital data channels (encoder positions etc), sampling rate 5o/sec
f) 3 pulse height analysis channels, sampling rate 5o/sec, resolution 48 amplitude

values
g) Interface for single event pulse height analysis
h) Interface for proton magnetometer signal processing.

The requirements a) to f) can be satisfied with the functional blocks described in the
previous chapter (fig. 4). Special arrangements must be made for the interfaces.



The first interface is provided for a single experiment channel which Rust continuously
be connected to a 4-bit pulse height analyzer. Moreover, for each analyzed pulse a 2-bit
logic configuration information (coincidence-anticoincidence of several detectors) has to
be added to the amplitude bit pattern. Since the pulse rate is below 1oo/sec, it was
determined to directly transmit the amplitude, and logic configuration pattern of each
single pulse instead of counting the number of pulses in the various amplitude gaps as it
is done in the normal pulse height analyzer.

A second interface was needed for the output signal processing of a proton
magnetometer. During the first period which takes about 2 seconds the magnetometer
signal represents a damped oscillation with a frequency between 1.8 kc and 2.2 kc. This
frequency has to be measured with an accuracy of o.1 Hz since it is directly related to the
total magnetic intensity. The frequency, however, need not to be constant over this
period; therefore the interval has to be broken up into several smaller intervals in order
to get the fine structure of the frequency curve.

During the second period the coil of the magnetometer is loaded which takes about
o.5 sec. During this break the buffer containing the frequency data is addressed by the
programmer, and read out to the output logic unit.

The total amount of data to be telemetered results in a bit rate of 8o kc, and a frame rate
of 5o/sec. The frame length is 128 words, the word length is 12 bit. The total weight of
the telemetry system including RFI control and RFI input filters is about lo kg, the total
power drain lo w. The physical dimensions correspond to a cylinder of the diameter of
the Black Brant and a height of 12 cm.

In summary, the telemetry system provides the necessary accuracy and channel capacity
of complicated sounding rocket payloads. It is capable to interface with a variety of data
sources. The ease of analog and digital channel capacity expansion as well as the
possibility of pulse height analysis provide a maximum flexibility and versatility which
may help to solve telemetring problems for sounding rocket experiments.

This paper presents the results of one phase of research carried out at DVL under
cantract WRK 161, sponsored by the “Bundesministerium für wissenschaftliche
Forschung”.

 







Fig. 5 Examples of Thick Film Components
(size 29x2ox3 mm or 2ox1ox3 mm, respectively)

 



SINGLE RF CARRIER TIME-SHARING BY REMOTE LOCATIONS

S. L. STADLER
Systems Engineering Supervisor

Communications Products Department
Norden Division of United Aircraft Corporation

Tevose, Pa.

Summary    It is of vital national interest to know the essential real-time factors involved
in the evaluation of an air attack versus a ground defense. This need led military planners
to request the development of a computerized system to determine the victors and the
vanquished in a war game on a par with an actual combat situation. From an engineering
point of view, the evaluation system would permit all “combatants” full scope of
operation and would not introduce, of itself, any “artificialities” into a complexity of
split-second duels taking place over a wide geographical area. This paper discusses a
unique time-division telemetry technique that was designed to resolve the data and
control flow to and from remote locations, in this case, tactical aircraft. The actual
system that evolved from this approach transfers all “aim and fire” events, coming from a
group of aircraft engaged on a “mission”, to a central communications and data
processing facility. The control in the form of timing synchronization is sent from the
facility to all aircraft. It should be noted that this time-sharing method could not utilize
classical time-division multiplexing, e.g., PAM or PDM, since the test elements were all
physically separate from one another (up to 120 miles). Preliminary test data is presented
herein as an indication of the validity of this new technique. The paper concludes with a
brief description of this method as applied to air and water pollution control and other
posited applications.

Introduction     Figure 1 is a simple conceptualization of the dispersal of ground and air
elements and how they relate to the central facility which evaluates and determines the
effectiveness of test elements while actively engaged. The weapons system consists of 15
tactical aircraft (airborne elements) and 10 ground-to-air missiles (ground elements).
This computerized communications facility receives all telemetered data, and, by a
programmed comparison of all real-time variables (including hits and misses), decides
who has won and lost specific engagements. The participants in specific battles are
informed of the outcome by means of an RF link. Obviously, a “dead” element cannot go
on with the fray. Ground-based telemetered data from missile positions involve aim-and
fire parameters such as weapon elevation, azimuth, position (derived from a Decca
hyperbolic navigation system), time of firing, and so on. Telemetered data from an



aircraft relate to altitude, attitude, airspeed, azimuth, position (also from a Decca
system), time of weapon firing, etc. The characteristics of the different type weaponry as
it relates to typical projectile trajectories, accelerations, velocities, and kill radii are
stored, in advance, in the computer memory.

The air weapons system occupies a circular zone of 11,300 square miles, with the
communications and data processing facility at the central point. Each airborne element
at any random placement within the test range, transmits data to the receiving station
(ground zero) at a distance from 0.25 to 60 miles. It was found not desirable to allocate a
separate frequency to each element since air weaponry would be using an RF band of
which many frequencies were already reserved for other purposes. Furthermore, only one
ground receiver, instead of 15, would be required. A single frequency in the L-Band was
therefore selected for use by all airborne elements, but governed by the rule that each
aircraft would transmit during an assigned period over the commonly shared carrier.
Since the frequency band allocated for the ground elements was 30 to 40 MHz, a
separate channel for each such element was required due to the limited information
capacity of a single channel in this frequency band. A separate receiver at the
communications center was permanently assigned for monitoring each ground element.
The data from all time-shared airborne elements and individual ground elements are
demodulated and routed to the multiplexer where it is placed in proper format for
processing by an IBM 360/65 computer. Thus, the data as it is being received from all
the elements occupied in simulated firefights are being “decided” by a set of complex
programmed causes and effects equal to the realities of: who fired first, what weapons
were fired, where they were aimed, the kill effect of all projectiles, and so on. In addition
to notifying each winner and loser “on the spot” of the outcome of every engagement,
individual weapons used by their human operators are also evaluated. For example, when
a combatant “fires” his weapon too soon or out of range of his target, an automatic
printout takes place at the computer which has a program store of weapons
characteristics including range. At a later time, this information is distributed to all
concerned parties to help in assessing individual weaponry skill. Thus, in all aspects, the
factor of human judgment with its fallible nature is eliminated. In the past, skilled
specialists could effectively evaluate the outcome of a conventional war game; however,
with today’s advanced military equipment of enormous striking power within a highly
curtailed time frame, it is beyond unaided human observation to assess the actualities, in
whole or in part.

Statement of the Problem    At the time of design review for the time-shared portion of
the program, the following technical questions had to be answered before the adopted
scheme could be implemented:

1. What is the most economical and effective method of synchronizing element
transmitters to permit proper data transfer into assigned time slots?



2. What amount of guard time is necessary between element transmissions to prevent
overlap of data?

3. Does the required number of data samplings exceed the limits of the adopted
scheme?

4. Can a standard off-the-shelf telemetry receiver be used ? Must it be modified? If
either choice is not possible would the characteristics of even a specially designed
receiver be such as to make the time-sharing mode of operations unfeasible?

The major paragraphs that follow are in the same order as the questions listed. They
comprise the analyses and results that were obtained in the course of implementing the
time-sharing technique. The technical features and problems arising from the use of
multiple transmissions on a time-shared basis are developed, including time
synchronization, propagation, reception characteristics, and equipment configuration.
Figure 2 shows, in simplified block diagram form, the actual system which met the
design requirement of L-Band data encoding and transmission on a single frequency for
fifteen airborne elements responding in a “round robin” fashion to a central
communications and data processing facility.

Time Slot Synchronization    An external means of synchronization utilizing an uplink
was selected to synchronize the data flow on the common downlink from each of the
fifteen airborne elements; thus, data from each element is inserted, in turn, in the same
position of every frame. Although an extremely stable frequency source carried on board
each plane could also have been used for this purpose, its distinct disadvantage would be
that the frequency source of each aircraft would have had to be present prior to each
flight. The better means is the use of a common radio uplink carrying sync to all aircraft
from a centrally located ground-based source. The synchronization for continuous
updating of the equipment in the airborne elements is received during all test periods on
the uplink which had already been provided for other purposes. The initial requirement
was to provide a “kill” notification to “shot down” aircraft so that the pilot knew he had
to leave the test area. The function of the link was extended when it was found possible
to control the periodicity of kill and other data being transmitted to include sync or
timing data. The information on the uplink, known as the kill/time code, is organized
into a format of ten data and identification words as shown in Figure 3. A modified form
of IRIG Standard Time Format B is utilized. The transmission of the kill/time code is
synchronized by a time-code generator located in the central facility. The time frame
requires one second since each word occupies 100 milliseconds. Timing data is made
available to each airborne element by inserting appropriate position identifiers between
words and at the start of each frame.



The original decoder in each aircraft handling pilot information coming over the uplink,
which was modified to include timing to synchronize proper time-slotted transmissions,
was renamed the “kill/time” decoder.

If an uplink had not been intended to be part of the program, and for some reason, it was
impractical to implement, then stable frequency sources would have had to be installed
on each aircraft. Further investigation of this alternative was not carried out since the
existing uplink could be used. Without having performed this study, it is safe to say that
such an alternative would have presented far greater technical design and
implementation problems; and even beyond this, would have been more costly.

Guard Time    The factors involved in calculating guard time requirements are shown in
Figure 4. Guard time takes into account propagation delays, equipment turn-on and turn-
off times, and equipment delay times. If sufficient time for this purpose is not worked out
in advance, distorted or unusable data due to transmission overlap by aircraft using
adjacent time slots will occur. For this reason, the propagation and delay data for
establishing the program’s guard-time specifications had to be very carefully
investigated.

All aircraft transmitters utilize frequency modulation on an assigned frequency in the
1435 to 1535 MHz telemetry band. The data transmitted from each aircraft is in digital
form; specifically, serial PCM-NRZ-C (Non-Return to Zero-Change). The carrier is
premodulation filtered to reduce transmission bandwidth requirements. Each aircraft
transmits its PCM/FM signal at a period controlled by the kill/time decoder for a
maximum of 5.1 milliseconds. Thus, each airborne element on this time-sharing basis
dovetails into its own specific time slot as shown in Figure 5. A maximum transmission
bit rate of 80 kilobits/second was selected and new information bursts from all 15
aircraft are received every 100 milliseconds or the length of a frame word. The guard
time of 1.66 milliseconds maximum between emissions from each adjoining element in
the timeshared plan prevents data overlap as described in the following paragraphs.

The derivation of guard-time requirements depends on an understanding of how the
kill/time decoder in each aircraft utilizes synchronization for its role in the time-sharing
system. Each kill/time decoder of a specific element, programmed to provide the gate
signal for turning on the ‘RF carrier at the proper time, is referenced to its particular time
slot by means of the time format (Figure 3), received over the uplink. With the exception
of propagation and equipment delays, each decoder receives this kill/time code at the
same time, permitting establishment of 15 transmitter slots for the time-sharing program.
An internal clock in each decoder provides the timing that plays so large a part in gating
an associated aircraft RF transmission to the appropriate word slot. The clock is updated
every 100 milliseconds by means of the timing data received over the uplink from a time-



code generator located in the communications center. The generator is maintained
accurately by comparison with station WWV and the local Loran-C chain.

The individual slots of the time-sharing scheme could be maintained without a local
synchronizer installed in each time decoder, if pulses were always received over the
uplink. Since in actual practice, this cannot be realized, a local clock in each kill/time
decoder had to be provided to maintain synchronization during expected short
propagation outages. Thus, in the absence of an updating format, the decoder will
continue to gate the L-Band transmitter up to a maximum of 99 seconds, the worst-case
condition. During any outage, timing will continue from the last-received usable signal.
In this way, the effect of short-propagation outages, a difficult matter to preclude in L-
Band airborne operation, is thereby negated and proper time slot allocation is ensured
during the outage. Smooth pick-up of timing, once the incoming timing pulses can again
be received, is also accomplished by this method. The greater the guard time, the further
out an aircraft can be before its data will overlap data in an adjacent time slot. Also, the
greater the distance, the weaker the received signal power at the central facility and,
therefore, the probability is higher that the received signal power of the desired data is
sufficient to override the overlapping data. Propagation delay was calculated for 60
miles, the maximum called for by system specifications. Computations relating to guard
time, if overlapping occurred, show that the received signal from the closer aircraft
(since both transmitters are of identical make and power) would be at least 3 db higher
than that of the other aircraft; therefore, the discriminator of the FM ground receiver
would be captured by the higher power signal. Propagation delay was computed based
on an TIF carrier traveling at 186,280 miles/second. For a 60-mile distance, maximum
one-way delay was found to be 322 microseconds. The two other factors that contribute
to the guard-time requirements were then considered. Firstly, the time required for
transmitter carrier power to decay after the removal of the gate signal is dependent on the
inherent delay of the switching diode controlling RF transmission. Typically, this diode
takes from 25 to 100 microseconds to change state. Although worst-case transmitter
carrier power decay has been measured at 100 microseconds, 25 to 50 microseconds is
the more common. For carrier power decay in actual transmitters, a maximum spread of
75 microseconds was allocated in the guard-time calculation. Secondly, circuit delay
times are also present to a varying degree in each actual aircraft receiver and kill/time
decoder. Under worse-case conditions, time delay for a pulse starting at the receiver
input and going out as a gating signal from the decoder totals 250 microseconds. The
receiver delay is 200 microseconds, most of which is due to the output stage bandpass
filter (centered at 1000 Hz) and the other 50 microseconds is due to the kill/time decoder.
Worst-case deviation of time delay, by using different receiver and decoder
combinations of the same type models in random equipment checking, was found to be
125 microseconds. Overall worst-case deviation can be conclusively stated as being 200
microseconds; wherein, 125 microseconds is taken up by the kill/time decoder and 



receiver combinations, and the remaining 75 microseconds by transmitter power decay
time.

It can be seen from Figure 5 that the parameter which most seriously affects time
synchronization is propagation delay. The worst-case situation occurs when one aircraft
is maneuvering within a 60 mile radius and a second is doing the same at 0.25 miles.
When both aircraft kill/time decoders are updated, element number 1 decoder clock will
be lagging number 2 by about 321 microseconds, the time it takes the RF energy to travel
59.75 miles. By the same reasoning, aircraft number 2 transmissions will reach the
central facility, 321 microseconds before those of number 1, causing the two aircraft to
be 642 microseconds out of synchronization. This situation does not cause data overlap,
even including the worst-case consideration of a 200-microsecond circuit delay, since
the total allowable delay time that was provided for the system is 1,660 microseconds.

During design exploration for a suitable ground receiver configuration for the airborne
elements, it was not certain whether AFC and AGC response times for the receiver
would have to be included. When it was proven that neither AFC nor AGC was
necessary, these response times were eliminated from guard-time calculations. (Refer to
the paragraph, Receiver Characteristics, of this paper which discusses the tests that were
performed in this area.

To summarize guard-time requirements: the worst-case lack of synchronization between
adjacent element transmissions is caused by two-way propagation delay lasting 642
microseconds plus an additional worst-case circuit-time delay of 200 microseconds for a
total of 842 microseconds. The remaining 818 milliseconds is a safety margin, which has
been shown to be adequate since no discrepancies due to data overlap have yet occurred
during actual system usage.

Data Sampling Requirements    Since data sampling requirements had been established
by program management, the author did not undertake any investigations in that
direction for the actual system to be implemented. When determining these requirements
for a specific application, the capacity of the communications link must be investigated
to verify that it can accommodate all of the data. The sampling rate is one of the most
critical factors in deciding whether the timesharing technique is suitable for a
contemplated application. The basic sampling rate equation for a single-carrier time-
sharing plan is:

Where: td = data time for one element
tg = guard time between elements



n = number of elements
Note:  Frame Time equals ntd + ntg

Applying the preceding equation to the weapons evaluation system, its sampling rate is
found to be:

In certain applications, a sampling rate of five percent might be cause r abandoning a
time-sharing approach; however, for the system described, this rate was quite acceptable.
In the system under review, it should be noted that this sampling rate refers to the total
data from a single element. Each five-millisecond data burst additionally includes
multiplexed data from fifteen sensors aboard each aircraft. Thus, the actual sampling rate
of each sensor averages 0.33 percent -- a rather low rate. It can be concluded that the
time-sharing plan is limited by the relationship of the maximum sampling rate available
to the data transfer requirement for a particular scheme.

Receiver Characteristics    Conscientious engineering concerns prefer to recommend
standard off-the-shelf products, even with some modifications, if necessary, rather than
suggest a usually costly R&D effort to match a particular requirement. This thinking
entered into the procurement for the ground facility telemetry receiver. At the onset of
the program, it was suspected that some modifications to existing receiver circuitry
would be sufficient to accommodate the hardware to the time-sharing scheme. The
following paragraphs review the results of this exploration.

AGC Feature    Automatic gain control can be critical in a time-shared system with
mobile transmitters because of the variations in received signal level from one element to
the next. In the weapons evaluation system, since elements can be as close as 0.25 mile
from the ground receiver or as far as 60 miles, a difference in received levels of about
48 db can be expected. Consequently, if AGC was incorporated, the AGC circuitry
would have to respond rapidly to accommodate changes in dynamic range so that no data
would be lost whenever a transmission from a nearby element was followed by one from
a distant element. Note that this is a particularly stringent case since the AGC of the
receiver would have to respond, in turn, and in close order, to a strong signal followed by
a low-power signal. The consequence of poor receiver AGC response, if it had been
.used, would have led to the unacceptable situation of some data loss at the beginning of
each burst. The bit synchronizer, inputted from the telemetry receiver, requires the first
three words of “clock” to lock onto a signal to ensure no subsequent information loss.

A typical data format for an aircraft element is represented in Figure 6. Each five-
millisecond burst consists of twenty-five words of sixteen bits each. The first three
words of each frame are allocated to clock pulses. Forty-eight bits of clock, at the



beginning of each frame, are provided for bit synchronizer lock-on following reception
at the central facility. Following the three clock words is “frame sync,” in modified
Barker Code, that is required to prepare the computer multiplexer for the data that
follows. This multiplexer transforms the serial data output of the bit synchronizer into
8-bit bytes required by the computer input. The fifth word in the data format includes
both element identification and data, and the remaining twenty words are data only.

Standard product-line telemetry receivers were examined to find, if possible, a better-
than-average AGC response that would not cause the guard-time limit to exceed 1,660
microseconds. A telemetry receiver with a specified AGC response of 750 microseconds
and a one-millisecond decay time was obtained. Tests of its AGC showed that the actual
response stayed within the 750-microsecond limit, but its decay time was much worse
than expected. Adjustments of this decay time, although attempted, showed little promise
of achieving the necessary performance. At this stage, it became questionable that the
time-sharing technique was feasible. It was decided to check receiver performance by
means of tests utilizing such program end-items as an L-band transmitter, a data encoder,
and an L-band receiver. A bread-boarded test simulator was quickly assembled. Figure
7b shows a 100-millisecond data frame at the receiver output with simulated data that
was applied in only slot number one to simplify matters. Figure 7a indicates the AGC
decay time of the particular receiver used. An expanded view of the test data is shown in
Figures 7c and 7d. It is evident that any data appearing in the second through the fifth
slots would be degraded, if the number one data burst was a strong signal (as it was
during this test) and data bursts two through five were weak. The initial bunched pulses
in the lower trace simulate clock and the sync word. The remaining words are indicated
by means of their parity bits.

Figure 8 shows the results of testing with receiver AGC turned off. The time scale has
been expanded to show the first few words in greater detail. The upper trace, Figure 8a,
is the data signal before modulation by the transmitter. The bottom trace, Figure 8b,
shows receiver data output without AGC. The data shown was somewhat distorted by the
receiver output filter. This test demonstrated that the receiver responded properly to
strong incoming signals when the receiver AGC was set to the manual or non-AGC
mode.

The aforementioned experiments showed that: (1) normal receiver AGC can cause
intolerable loss of data in the system, and (2) AGC is unnecessary because the receiver
responds to incoming data after a period of noise without loss of data output. Therefore,
AGC for use in the time-sharing system under implementation was discarded.

AFC Feature    Automatic frequency control is normally employed when the received
frequency is expected to drift at a relatively slow rate, due to such reasons as transmitter
instability or Doppler shift. With or without AFC, it is important to design a receiver



with the least possible IF bandwidth to increase receiver noise immunity. For most cases,
a method of drift prevention is used to prevent signal loss. Automatic frequency control
is relatively simple to implement when the carrier is continuously being received from a
single transmitter having slow-frequency drift. The receiver is properly designed so that
its AFC tracking range is made greater than the IF bandwidth by a worst-case factor of
drift that will be encountered. The use of AFC is more difficult in any timeshared system
since the frequency of incoming signals between adjacent data bursts changes as a step
function in comparison with frequency changes due to instability. Figure 9 shows a
typical receiver discriminator curve where f1, f2, and f3 represent the frequency ranges of
three adjacent elements whose transmitted carriers have been displaced from one another
due primarily to individual transmitter frequency inaccuracies and instabilities. Note how
this illustration demonstrates the dc offset occurring because of frequency differences
between the three elements.

The dc offset in time-shared data from a discriminator output, caused by frequency
instabilities, can be eliminated if a sufficiently rapid AFC response can be applied. It
should also be pointed out that dc offset, when exceeding limits usually more than 100%,
can cause errors in the bit synchronizer being fed by the receiver. The bit synchronizer is
basically used to regenerate both noisy and premodulation-filtered digital data inputs. In
the early design phase of the specific time-shared weapons system, a maximum de offset
well within the range of the bit synchronizer capability was estimated.

Laboratory tests of prototype communications equipment were performed after the
design stage of the program to determine the feasibility of AFC for the timesharing
scheme. The stability and accuracy of the prototype L-Band transmitters, built to
rigorous military specifications, exceeded expectations since the worst-case de offset
possible for the system was found to be less than half of the 74% that had initially been
calculated. The AFC circuitry of the preferred standard telemetry receiver selected for
the system, however, was not able to respond, without loss of data, to the sharp changes
in frequency presented by the timesharing scheme. The 500-microsecond AFC response
time of this receiver, equal to 10% of the total data burst time, was an intolerable
situation. Therefore, AFC could not be usefully employed in curbing the-dc offset
problem.

Testing of standard telemetry receivers proved that AFC was not required. Apart from
the fact that less worst-case de offset was obtained with the actual transmitters, the
nature of ac coupling used in the receiver further attenuated de offset. From the reception
point of view, this attenuation is dependent on the actual time between received data
bursts and the time constant of the receiver output circuitry. The small probability that
one element at one extreme frequency deviation will be followed by an adjacent element
at the opposite extreme is an additional aid. (An example of an extreme case would be
where element 1 caused a =0.006 de offset excursion, followed by element 2 with a



-0.006 de offset excursion.) At the very beginning of the weapons evaluation program,
stringent specifications were established for the receiver and transmitter oscillator
tolerances, since the receiver’s AFC response was a questionable matter.

IF Bandwidth    Table 1 lists the parameters contributing to the receiver IF bandwidth
which was chosen. Unless otherwise noted, frequencies shown were calculated for a
carrier frequency of 1500 MHz. The items marked with a single asterisk (*) contribute a
steady frequency bias to the discriminator, while those marked with a double asterisk
(**) cause de offset between element data bursts. It was determined that a 300-kHz IF
bandwidth is sufficient, allowing for parameter instabilities and energy content in the
spectrum used. This choice has proven to be correct in the actual use of the system.

When it became apparent that AFC could not be used, the original selection of a standard
IF bandwidth was shown to be best for obtaining maximum information with least
bandwidth.

Summation    In other system applications, it is possible that the AFC and even AGC
features may be usable. The dictates of a particular system configuration will determine
the designer’s response in this area in terms of selected equipment and data
requirements.
 Table 1. Receiver Bandwidth Considerations

Parameter Range Frequency

Transmitter Deviation --- ± 150 kHz

Transmitter Oscillator Stability ±0.003% ± 45 kHz**

Transmitter Oscillator Accuracy ±0.003% ± 45 kHz**

Doppler Shift for Aircraft Velocity 1500 mph ± 3.3 kHz**

Receiver First Local-Oscillator Stability ±0.0001% ± 1.5 kHz*

Receiver First Local-Oscillator Accuracy ±0.002% ± 30 kHz*

Receiver Second Local-Oscillator Stability ±0.005% of
40 MHz

± 2.0 kHz*

Receiver Second Local-Oscillator Accuracy ±0.005% of
40 MHz

± 2.0 kHz*

*    Causes steady bias of discriminator output
**  Causes offset between messages



Other Possible Applications    The author wishes to take this opportunity to touch upon
other important probable uses of the time-sharing technique, utilizing this basically
simple method of obtaining data from remote locations scattered over a large area. It is
beyond the author’s expertise to attempt (except for a missile test range described
subsequently) to postulate further aerospace applications.

In the area of industrial or public use, the time-sharing technique is particularly
applicable to systems with fixed remote stations scattered over a large area, where data
of a slowly varying nature must be transferred to a central monitoring and control
facility. This application shows great promise for water and/or air pollution monitoring
systems for large cities, or even on the state level, where a number of remote sensors
collect data on all strategic points for transmission to a centrally located data processing
facility. See Figure 10. This deep concern for the public’s health and recreation is
attested by the fact that several local governments have already queried the author’s
organization on how to implement effective pollution control. The scheme involves a
number of sensors gathering data on current changes in levels of specific or combined
noxious pollutants in air and/or water. The data would then be transmitted to the central
facility where the transmissions are demodulated and the pollution data formatted, routed
to a computer, and compared with associated pollution index guidelines stored in
computer memory. Whenever these levels were exceeded for a particular pollutant at any
remote location or group of such locations, then an immediate counterresponse could be
undertaken by the authorities in charge of the program. The sensors could be distributed
in an equal fashion to monitor a general region, or sensors could additionally be
concentrated at known points that are critical to the general health. As soon as any
known safe level was found to be exceeding medically established norms, then the center
could alert the authorities to take remedial measures to eliminate or reduce the hazard
before it became even more critical.

Recent news headlines have dramatized the destruction of water life and the fouling of
beautiful seashore resort areas. Water pollution has always been of particular concern in
coastal areas, where oil or other noxious substances, dumped illegally by freighters,
wash up on nearby beaches. A pollution monitoring system using the time-sharing
technique described in this paper could be utilized to immediately alert the Coast Guard
to a sharp increase in pollution levels so that the authorities could react quickly against
such violators, and by only a few being brought to justice, illegal waste dumping would
be considerable reduced. Similar tactics could be used to save fishing streams, water fit
for human consumption, and other vital water sources too numerous to list.

Another use of the time-sharing technique would be an earthquake early warning
application where many remote sensors, even on a national or continental basis, are
employed to transmit data to a central facility. The sensors are placed at known locations 



where minor tremors or terrain shift along “faults” in the earth’s structure are harbingers
of more serious trouble to come.

The time-sharing technique for high-velocity projectile applications similar to the one
described in this paper can be used to provide timing and data to test range ground
stations. A typical test range has a number of distributed monitoring stations that require
timing data to remain in synchronization with the main facility, so that when a missile is
fired downrange, accurate measurements of its velocity and other related factors can be
achieved. Where data is required for each downrange station, it can be multiplexed onto
the timing information similar to the modified IRIG B used in the weapons evaluation
system. A decoder at each station would then select the data applicable to that station
and furnish the required input in the appropriate form to the associated station
instrumentation.

In the postulated usages, the time-sharing technique permits use of a single frequency
and one receiver at the central facility in apposition to a conventional radio system which
requires a separate frequency and receiver for each monitoring point. In a situation where
thirty to forty or more remote stations are involved, the economic advantage of the time-
sharing system becomes considerable. With such parsimonious use of the frequency
spectrum and costly equipments, many necessary scientific or public-serving programs
now held back by economic factors may be ushered in.

Conclusions    The results of the time-sharing technique applied to the weapons
evaluation program demonstrate that the technique can be utilized among physically
separated discrete remote locations telemetering important information to a central
receiving facility. This method permits a considerable simplification in frequency
allocations and associated communications equipment needs. It lends itself to great
advantage where physically separated elements, moving or fixed, must transmit to the
same receiving location at data sampling rates that are not excessive. Distances do not
become a factor if the guard time between element transmissions is properly established.

Two basic methods for time synchronization to maintain each transmitting element in its
proper time slot are available. One is the use of a self-contained and accurate time source
for each transmitting element; or two, the use of a link for transferring timing from a
centrally located time source. In the weapons evaluation system, the latter alternative, as
the more efficient method, was a foregone conclusion since a link was already available
for other purposes. Depending on the format of the data on the link, it may not be a
difficult matter to alter the programmed data of an existing link to include timing,
control, data correction, etc.

Evaluation of data requirements for an actual system showed that the sampling rate
permissible under the time-sharing plan was realistic. The sampling rate varies inversely



with the number of elements and the amount of guard time required to prevent overlap of
data. In the system, the guard time was found to be approximately one-third the data
transmission time from each element.

Another benefit achieved by the plan was that a standard off-the-shelf telemetry receiver
requiring no modification was incorporated in the time-sharing scheme. AGC and AFC
were not used because the variation in signal strength and frequency between adjacent
data bursts demanded an excessive response from the receiver control circuitry. By
careful attention to system design, including such items as transmitter and receiver
stability, guard time, time synchronization, receiver bandwidth, etc., proper operation
under all required conditions was ensured. It is recognized, however, that AGC and AFC
considerations will have to be examined anew in terms of the specific communications
equipment to be made available for other contemplated applications.

In conclusion, even though the time-sharing plan described in this paper was applied to a
weapons evaluation program, the technique is applicable to any project where
geographically separated elements must report to a central receiving and data processing/
control facility. With minor engineering modifications, the scheme could also be used in
conjunction with a central transmitting facility sending multiplexed data on the same
frequency to physically separated locations, with a data burst in an assigned slot for each
remote receiving element, in an equal but opposite manner to that which has been
described. The author has outlined some challenging possibilities in air/water pollution,
earthquake sensing, and downrange missile tracking applications. He eagerly awaits
further extensions using a single ‘RF carrier time-sharing technique, since it offers such
a low-cost, definitive telemetering means for extending man’s knowledge and control
both for the national defense and for the general benefit to the public at large.
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Figure 1.  Weapons Evaluation System Concept



Figure 2.  Aircraft/Facility Equipment, Simplified Block Diagram



Figure 3.  Kill/Time Code Format

Figure 4.  System Time Sharing Plan for Fifteen Elements



Figure 5.  System Data - Flow Time Sequence Chart

Figure 6.  Any Element Data Burst Format



a. A.GC receiver performance curve at a
time base of 20 msec/cm

b. Simulated 100-ms data frame output
with data in the first 5 msec-slot only.
Same time base as above.

c. AGC curve of item a above at a time
base of 1 msec/ CM.

d. Data frame of item b at a time base of 1
msec/cm

Figure 7.  Receiver Test with AGC

a. Data input to transmitter used in the test
at a time base of 0.3 msec/cm

b. Receiver data output for above
transmission.

Figure 8.  Receiver Test Without AGC



Figure 9.  FM Receiver Discriminator Characteristic Curve

Figure 10.  Air/Water Pollution Control System
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Summary    The state-of-the-art for Tracking, Telemetry and Ranging data acquisition
has reached a point where simultaneous performance of each of these functions is
possible with one receiving system. In addition to simultaneous reception of data with
one receiver, this Multifunction Receiver System was developed to be compatible with
the other DOD and NASA Tracking and Data Acquisition systems besides the specific
system for which it was designed, the Goddard Range and Range Rate System.
NASA/Goddard Space Flight Center initiated development of this integrated receiver
system in September 1967 and will have the first system operational in December 1968
at Rosma4, North Carolina. Three more systems will be installed: one each at NASA
STADAN stations in Alaska, Tananarive, and Carnarvon, Australia. The receiver system
was designed to cover all the currently known NASA and DOD frequency bands from
VHF to 10 GHz. The data handling capability of the system is optimized for both
narrowband and wideband data. AM, FM and PM data is accommodated in varying
bandwidths from 10 kHz to 10 MHz. The primary objectives for developing such a
system were to achieve improved mission effectiveness of NASA STADAN operations
and reduce life-cycle costs in carrying out NASA Tracking and Data Acquisition
responsibilities.

Introduction    This paper has been prepared in two parts. The first part presents the
rationale, concepts, background requirements and technical justifications leading to the



decision by NASA/Goddard Space Flight Center to develop the Multifunction Receiver
System. The second part of this paper addresses the specific design approach used by
General Dynamics Electronics Division, Rochester, New York, to satisfy the
requirements of this program.

Tracking and Data Acquisition functions generally include automatic antenna steering,
telemetry data demodulation and ranging to a satellite. Traditionally these functions have
been performed individually with separate receiving systems. The first attempt to
integrate these functions by NASA was the APOLLO Unified S-Band System in 1962.
The state-of-the-art is technology plus the schedule requirements of the APOLLO
program did not permit the development of a fully integrated system that would
simultaneously perform tracking, telemetry data acquisition and ranging to a satellite
with the same receiver. Since that time, NASA has sponsored developments which
provided the technology base which ultimately led to the present Multifunction Receiver
development as part of the Goddard Range and Range Rate System up-date program.
Some of these developments included the Diversity Telemetry Receiver which was a
dual channel data receiver with polarization diversity capability; the Polarization
Diversity Autotrack Receiver System (APDAR) which was a six-channel monopulse
autotrack system and, of course, the GRR-1; GRR-2; and most recently, the ATS Range
and Range Rate System. Technology from all of these systems has been integrated into
the new Multifunction Receiver System.

Beyond the immediate application of the Multifunction Receiver to GRARR, it is
planned to use this Receiver System in all the primary STADAN stations for autotrack
and telemetry data acquisition. The advanced state-of-the-art capabilities of the
Multifunction Receiver such as: frequency capability from VHF to 10 GHz; polarization
diversity with predetection combining, computer control interface and wideband data
handling permit a flexible instrumentation concept that will provide more mission
effectiveness and lower life-cycle costs for Tracking and Data Acquisition.

Part I     In reviewing the international and domestic frequency allocations assigned for
spacecraft and the currently available receiving systems it was found that receiving
systems (excluding antennas) varied from simple $5,000 to $10,000 receivers to systems
costing close to $500,000. Due to changing requirements of the “Space Program”, small
changes within the receiving system are costly and, on occasion, the system may have to
be operated with slightly degraded performance. Therefore, GSFC set out to design a
new receiving system that would have an operational life of 10 to 15 years and could
become a standard receiver for various network organizations.

The receiving systems utilized by the Unified S-Band System (USBS) for APOLLO the
Deep Space Network (DSN) for the Jet Propulsion Laboratory, the Space Ground Link
System (SGLS) for the U. S. Air Force and the Space Tracking and Data Acquisition



Network (STADAN) for the Goddard Space Flight Center were designed to meet
specific requirements. The USBS, DSN and SGLS receiving systems are somewhat
similar in design with the exception that the SGLS will operate over the 100 MHz
frequency band from 2200 MHz to 2300 MHz while the USBS covers frequencies from
2270 MHz to 2290 MHz and the DSN systems between 2290 MHz to 2300 MHz. The
USBS, DSN and SGLS receiving systems are phase locked systems and are used for
receiving telemetry, range and range rate data, as well as antenna automatic tracking
(auto-track) from a single carrier. Generally, each of these functions are performed using
separate receiving systems.

The USBS, DSN and SGLS were designed to operate with specified mission
requirements in the 2200 MHz and 2300 MHz frequency band. The STADAN, however,
is a multimission network which presently operates in the frequency bands of 136 MHz
to 138 MHz, 400 MHz to 401 MHz, 1700 MHz to 1710 MHz and in the 4 GHz
spacecraft-to-ground band. Due to new mission requirements, the STADAN will begin
operating in 2200 MHz to 2300 MHz in 1968 and the 7 GHz band in the early 1970’s.
To satisfy these diverse requirements, a new receiver system was needed that would
provide multi-mission support, multi-purpose functions, and have sufficient performance
capability to satisfy the most sophisticated technical requirements for data acquisition.

The STADAN has utilized three separate receiving systems. One system is for
monopulse antenna auto-track with single auto-track receivers for each frequency band.
Monopulse antenna systems have been selected for use by NASA because of their
inherent accuracy and reliability for acquisition of telemetry data. The “turnaround” time
between passes for data acquisition from different spacecraft is currently a maximum of
15 minutes and as low as five minutes. The short “turnaround” time presents the
possibility of requirement for re-phasing and/or gain realignments. Also this short “turn-
around” presents requirements for semi-automated remote control of the receiving
system for such functions as mode selection, receiver tuning, bandwidth selection and
frequency band selection.

The second receiving system used is for acquisition of telemetry data. This system
features post-detection polarization diversity utilizing the maximal-ratio squared
combining technique. Post-detection combining was acceptable since narrow band data
(3MHz) was being received. The telemetry receivers are installed with the antennas but
may be switched to any antenna.

The third receiving system within the STADAN is the Goddard Range and Range Rate
System (GRARR). This system performs the functions of acquiring range and range rate
data and auto-track at the VHF and S-Band frequencies. The new frequency allocation
which dictated the use of 1750 MHz to 1850 MHz for ground-to-spacecraft and 2200 



MHz to 2300 MHz for spacecraft-to-ground presented the opportunity to design a new
receiving system, known as the Multifunction Receiver (MFR).

Analysis of the past, present and possible future requirements for the Tracking and Data
Systems Directorate of Goddard Space Flight Center indicates the need for multiple
network operation, improved mission effectiveness and better cost effectiveness.

MULTIPLE NETWORK OPERATION    The multiple network operation
requirement is defined as having the capability to acquire and receive data in the
frequency band used by any ground based data acquisition network by changing the
down converter. The receiver first intermediate frequency was specified such that the
system will operate up to 10 GHz, but specifically within the frequency bands of 130
MHz to 140 MHz, 400 MHz to 401 MHz, 1435 MHz to 1540 MHz, 1700 MHz to 1710
MHz, 2200 MHz to 2300 MHz, 4000 MHz to 4100 MHz, 7000 MHz to 7200 MHz. The
data bandwidths are selectable from 1.5 kHz to 10 MHz using pre-detection combining.
The wider data bandwidths were determined necessary because of requirements for
higher resolution data for earth resources investigations and for operation with the future
Orbiting Data Relay Network with high resolution television requirements. The most
difficult requirement was maintaining the frequency coherence for the two way Doppler
measurement.

The receiver system was to be designed to be capable of operation with both types of
spacecraft transponders in use by the various networks, SGLS, USBS, DSN and
GRARR. The first is a multiple access, fixed frequently (fixed crystal oscillator)
transponder. The second is a single channel phase locked loop transponder which is
phase locked to the ground transmitted frequency and mathematically related by the
spacecraft transponder translation ratio. The receiving system has the capability of
extracting Doppler measurements for the USBS, DSN, SGLS and STADAN.

MISSION EFFECTIVENESS    Mission effectiveness is defined as the technical
performance of the receiving system other than the usual noise figure, threshold, gain
distribution, etc.

The first requirement is that the receiver system be capable of operation with amplitude,
frequency and phase modulated signals and auto-track in open or closed loop modes.

The second is the need for maximal ratio predetection diversity combining techniques for
data acquisition and auto-track. For spinning or tumbling spacecraft, diversity combining
serves as an electronic switch for receiving different polarizations and, thereby,
preventing possible loss of data.



The existing telemetry systems within the STADAN utilize maximal ratio postdetection
diversity combining. Polarization diversity is required for specific space projects where
spacecraft are spin stabilized or must be reoriented so that a different polarization is
transmitted to the ground receiving system. Pre-detection combining was specified for
the Multifunction Receiver because of the requirement to handle wideband data. To
accomplish this, it will be seen that it was necessary to combine 20 MC RF bandwidth
signals.

The third and probably the most difficult requirement is the operation of the receiver
system over a 100 MHz band. The design of a receiving system which is tunable over a
100 MHz band places restrictions on the choice of intermediate frequencies as opposed
to the normal 10 MHz to 20 MHz bandwidth receivers that presently exist for 2200 MHz
to 2300 MHz.

COST EFFECTIVENESS    Cost effectiveness must be analyzed based on criteria of
cost savings plus improvement in performance to produce satisfactory data.

Experience indicates that there are less adjustments and maintenance problems with solid
state integrated circuit systems. We have estimated there will be a 50% savings in
maintenance. Also, this receiver concept has shown that an improved MTBF is achieved.
This has been calculated to be 877 hours which is an improvement of 300% over
previous systems in the NASA STADAN inventory.

Reduced costs in training are expected because separate operators are not required for
different receivers. The building block concept allows flexibility in implementing the
receiver system. Additional RF channels can be added without duplicating the whole
receiver system.

Automatic polarization switching in the MFR has eliminated risks in loss of data and
loss of time previously required to manually switch polarizations.

Another contributor to cost effectiveness is the reduction of logistics support. An
experience factor for the cost of logistics for receivers has been six percent per year of
the cost of the receiver. It is anticipated that a logistics cost of 2 to 3 percent will be
achieved for an MTBF of 877 hours for the complete MFR system. An annual cost
savings of $300,000 to $400,000 is logistics could possibly be saved when the STADAN
is totally equipped with these receivers.

It is important to point out that long lead times of three to four months are often
encountered to receive some spare parts. In such cases the receiver is not used until the
components are received or the receiver is used to receive data from a spacecraft where
the spacecraft is required to transmit enough power to offset the receiver degradation.



The fifth and most significant savings is the centralized control concept for combined
operations of auto-track and data demodulation.

As mentioned earlier, the STADAN uses separate receiver systems for data, auto-track
and ranging and, therefore, the centralized control concept for the MFR will allow one
operator to perform the functions presently requiring two operators. This savings in
STADAN 85-foot antenna installations has been calculated to be $224,000 per year.
When the 40-foot parabolic antenna systems are equipped with the MFR, an additional
savings of $280,000 per year is anticipated.

The cost effectiveness studies have indicated that the new receiving systems will pay for
themselves within a time interval of five to six years for the parabolic antennas. The cost
to implement the new receiving system with antennas other than parabolic reflectors is
offset by improvement of performance and quality of data.

Part II    The Multifunction Receiver (MFR) is being developed in response to the
requirements outlined in the first part of this paper and shown in Figure 1.

This Receiving System is a multipurpose receiver designed to meet the current and
projected requirements of the NASA STADAN (Space Tracking and Data Acquisition
Network), APOLLO Unified S-Band and Deep Space Instrumentation Facility (DSIF)
Stations, plus the DOD National Ranges. To achieve this compatibility, the MFR was
designed to be capable of both narrow bandwidth and wide bandwidth data acquisition
plus satisfy the IRIG 106-66 Telemetry Receiver Standards.

The MFR achieves its multifunction capability by performing simultaneous functions of
monopulse antenna auto-track, telemetry data acquisition, and ranging to a satellite,
aircraft or missile suitably equipped to operate with the MFR. Also this multifunction
capability is a result of its ability to operate in all the existing NASA and DOD
frequency bands from VHF to X-Band. The data handling ability includes AM, FM and
PM demodulation and the ranging capability can handle side tone or pseudo random
noise (PRN) ranging codes.

The auto-track capability is designed to operate with antennas equipped with monopulse
feed systems. The receiver will operate with either circular or linear polarized signals
and provides predetection combining using optimal ratio squared combining techniques.

The telemetry data demodulation function provides capability for demodulation of
coherent and non-coherent signals. Coherent AM and PM, and non-coherent AM, FM
and PM, signals can be demodulated. Data bandwidths from 1.5 kHz to 10 MHz can be
handled with the demodulators.



The MFR provides range and range rate data output using either side tone or pseudo
random noise (PRN) codes. Range information is provided by the subcarrier
demodulator and range rate data is provided in the Doppler extractor unit. Typical
accuracies using the MFR in the NASA GRARR System are 0.1 meters/sec. (RMS) in
range rate and 15 meters (RMS) in range.

Figure 2 is a pictorial layout of the MFR System concept showing the interrelated
functions and information flow within the MFR.

Figure 3 is a system block diagram showing the operation of the MFR.

It can be seen that the MFR is a triple conversion, superheterodyne receiver system. The
preamp converters are located on the antenna and it is necessary to select the proper
preamp for the desired frequency band to be covered. All converters provide an output at
400-500 MHz. It can be seen in this diagram that all tuning is done in the second mixer.
Digital tuning is accomplished by frequency synthesis techniques. Tuning is in 10 kHz
steps across the entire frequency range with fine tuning capability of ±300 kHz about the
receiver center frequency. The receiver tuning signals are provided using the HP 5105A
Synthesizer and HP 5110B Driver. The second IF is 110 MHz and the third IF is
10 MHz. It can be seen that wideband combining is done at 110 MHz to preserve
wideband data demodulation capability and narrowband combining is done at 10 MHz.

A summary of the unique systems features is shown in Figure 4.

Figures 5 and 6 show respectively the electrical performance characteristics and the
applicable MIL spec and NASA standards for the MFR.

Figure 7 shows the layout of the MFR rack mounted equipment and the remote control
console. All of the solid state switching is located in the receiver rack and merely the
control panels have been mounted in the console. All switching and control functions are
performed using standard switching levels of 0 and +6 volts. The receiver can be
controlled locally at the rack or remotely from the console.

One of the primary features pointed out in the first part of this paper is the modular
building block concept of the MFR. Figure 8 shows the layout of a typical drawer. The
basic building block in the system is the throw-away, thick film microelectronic
integrated circuit shown in Figure 8. This is a hybrid microelectronic integrated circuit
cince only the passive elements are deposited on the substrate, whereas, the active
elements are applied as discrete components. This type of circuit was selected because of
its economy, power handling capability, and reliability. A typical throw-away submodule
costs approximately $40. Furthermore, this overall economy of design is reflected in the 



price of the MFR. The complete receiver system plus console sells for approximately
$200 K.

One of the requirements stressed by NASA for this system is commonality of submodule
building blocks. Approximately 600 submodules are required in the MFR. A family of
20 different RF and IF circuit submodules have been developed for use in the MFR.
These submodules are repeated several times for the different functions thereby
achieving a multipurpose submodule performance. This will provide an indication of the
level of multifunction circuitry used in the MFR system. Figure 9 shows the different
submodules used in the MFR.

Figure 10 illustrates the electrical characteristics of a typical, standardized general
purpose amplifier used in the MFR.

Using the circuit techniques described above and the mechanical construction features
described elsewhere in this paper, the MFR has a calculated MTBF of 877 hours or
approximately 5 weeks.

Flexibility in the mechanical and electrical design of the MFR permit its application to a
wide spectrum of tracking, telemetry and ranging requirements. For instance, the system
is partitioned in such a manner that it is possible to configure the following single
function receivers from individual building blocks:

A. AUTOTRACK:
-Three (3) Channel Monopulse Receiver
-Six (6) Channel Monopulse Receiver

B. TELEMETRY DATA
-Single Channel Data Receiver
-Dual Channel Data Receiver with Predetection Combining

In a typical system application where more than one RF carrier is transmitting from a
single satellite or missile, additional sum channel receivers and demodulators can be
added to receive data from the same receiving antenna by using multicouplers operating
at the first IF frequency.

Some of the anticipated applications for the MFR concept include the AFWTR and
AFETR up-date programs that address automated telemetry data acquisition.

In conclusion, the MFR, as conceived by NASA, offers advantages of technical
performance previously unavailable in a single system . Usually this functional
capability was obtained by collecting an assortment of special purpose receivers or using
general purpose receivers with an assortment of plug-in modules depending on the



mission requirement. The MFR has incorporated design features which allow for
optimized performance in both narrowband and wideband operations: thereby, providing
a true multipurpose, multifunction receiver system.

Thank you.
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A DATA RECORDING SYSTEM FOR DEEP SEA LOGGING

S. BEN-YAAKOV
Department of Geology

UCLA

Summary    A data recording-reproducing system has been developed in conjunction
with an oceanographic in situ multi-sensor probe for measuring chemical properties. The
recording unit is built around a deck of a single channel, entertainment-type miniature
magnetic tape recorder. The tape speed was reduced to 0.125 ips by slightly modifying
the original speed control, which results in four hours’ continuous recording. The
recording unit incorporates a frequency counter to convert the input frequency signal to a
serial, four digits, BCD code. The code is recorded twice per frame by chopping the bits
with a 250 Hz signal. The frame lasts 5 seconds after which a command is sent to the
main unit advancing the multiplexer one step ahead.

The reading unit consists of a second small tape recorder and a decoding circuit. The
tape is played back 15 times faster than the recording speed. Synchronization and bits
identification are based on counting the (original) 250 Hz chopping signal. This
eliminates the problem due to wow flutter and non constancy of tape speeds. The serial
BCD code is converted to a parallel code to facilitate printing or tape-to-tape transfer, for
computer compatibility.

The use of non-expensive tape decks as well as integrated circuit modules reduces
markedly the price of the system without compromising on accuracy or reliability.

Introduction    Most present day oceanographic chemical and ecological analyses are
performed in vitro after sampling the ocean. However, it may be speculated safely that
this classical method will gradually give way to in situ methods by which the required
parameters will be measured by a remote probe so that only the information will be
handled. A research program has been initiated, therefore, at UCLA, Department of
Geology, to study and develop new oceanographic in situ chemical sensors as well as the
required telemetering systems.

The first sensor to be developed was a high pressure pH electrode (1) which is now
being operated with a specially designed telemetering unit (2). The unit can accept up to
ten different sensors and employs analog to frequency conversion and time multiplexing
to transmit the information to the water surface via a two conductor cable. The same



cable carried also an “advance” command from the surface to the probe which steps the
multiplexer one step forward. This type of operation is suitable for shallow water work,
but becomes cumbersome for deep sea research due to the required long electrical cable
which has to be specially installed on board ship. Also, long electrical cables are highly
vulnerable and have relatively short lives. It was felt, therefore, that deep sea studies
require in situ recording which will eliminate the long electrical cable.

It has been emphasized many times in the past, that oceanographic instrumentation
should be as simple and as inexpensive as possible. The vulnerability of oceanographic
work excludes, practically, the use of very sophisticated and hence expensive
instrumentation. This is particularly true for scientific projects which operate on limited
budgets. Our research and design were aimed, therefore, at developing a system that is
compatible with the above requirement but accurate and reliable enough for high
precision studies. This goal was achieved, in the case of the recording unit, by using a
single channel entertainment-type magnetic tape recorder, which records the information
digitally.

In this paper I shall describe the design of the recording and read-out units. First, a
general description of the system will be given, followed by a somewhat more detailed
discussion on some key points, especially those pertinent to the successful use of an
entertainment-type tape recorder.

General Description    Figure 1 is a simplified block diagram of the recording unit. The
frequency of the input signal is measured and converted to a BCD number which is
recorded serially on the single channel magnetic tape recorder. The miniature magnetic
recorder (TELMAR 100T, distributed by MARTEL, Los Angeles, California) is 19.5 x
8.5 x 5 cm and has a capstan-drive mechanism which is governed by a feedback speed
control. The actual speed is measured by a tiny tachometer and compared to the desired
value, and the error signal is fed to a motor-driver amplifier.

The tape recorder was slightly modified in three respects: we have bypassed the
amplifying circuitry by feeding our signal directly to the magnetic head, a tape-spool
securing lock was incorporated to hold the spools firmly and thirdly, the tape speed was
slowed down. The latter was achieved by adding an extra resistor to the speed control
circuit. The speed was reduced from 15/16 ips to 0.125 ips resulting in four hours of
continuous recording (one side) for a 1-3/4" spool loaded with a 0. 8 mil tape. At this
low speed, the magnetic head is capable of recording directly (no bias) the frequency
band 200-300 Hz. All our data are, therefore, modulated with a 250 Hz signal before
being fed to the magnetic head. The unit also provides at regular intervals an “advance”
command which is fed to the interconnecting cable to advance the multiplexer in the
probe.



The recording unit is built into a 10.2 cm ID x 53 cm L stainless steel high pressure
housing (EG & G type 270) which is rated to 10,000 psi. Figure 2 is a photograph of the
disassembled recording unit. The unit is built in three sections: the lower electronics
compartment, the tape recorder and the battery pack. The electronics section is protected
by a plastic shield to prevent damage when handling the unit. Two high pressure
electrical connectors, at the upper cap of the unit, provide the required electrical
connection.

The recording unit was designed to operate continuously during an ocean log. It is
mounted on a standard hydrographic cable adjacent to the chemical probe and connected
to it by a two conductor cable through oceanographic connectors. The maximum
recording time (four hours) is sufficient for a complete logging of any depth in the ocean.

The read-out assembly - which is to be located on board ship or on shore - includes
another entertainment-type tape recorder (CRAIG 212, distributed by CRAIG
PANORAMA, INC., Los Angeles, California), an electronic read-out processor and a
suitable output device. Figure 3 is a simplified diagram of the read-out assembly when
connected to a digital printer. It is planned, however, to record the output of the read-out
unit on a computer compatible tape format. This secondary tape will then be sent to a
computer facility for data reduction and evaluation.

The tape is played back at a speed of 1-7/8 ips, namely 15 times faster than the recording
speed. The read-out unit converts the serial BCD to a parallel BCD number and
generates a “print” command whenever the complete BCD number is ready to be
transferred to the recorder.

Most of the circuitry of both the recording and read-out units was realized by IC digital
TTL logic. Some of the gates and amplifiers” however, were built from discrete
components. The choice of TTL logic was dictated by the fact that complex IC units
(such as decade counters and shift registers) are mainly available in this logic. Discrete
components were, therefore, incorporated whenever practical, to reduce the total power
consumption as the TTL logic has a relatively large power drain (approximately 40 mw.
per gate). This consideration is clearly highly important for the recording unit, which has
to include its own battery source.

Recording Unit    A somewhat more detailed block diagram of the recording unit is
depicted in figure 4. All the timing signals as well as the 250 Hz modulating signals are
derived from a 100 KHz master oscillator. The oscillator’s frequency is divided by a
series of decade counters (BCD) down to a frequency of 0.2 Hz. Various outputs of
dividers are gated by the logic section which is producing the “advance” command,
gating the signal frequency-counter, driving the parallel to series converter and
controlling the “editor”.



A better insight to the inner organization of the unit may be gained by inspecting the
detailed block diagram of figure 5 and the circuit of figure 6. It should be noted that the
outputs of the oscillator’s frequency dividers (DECA 1 to DECA 6) are being used as
inputs to the various gates. For example, the output of DECA 5 is feeding a BCD-to-
decimal decoder which is controlling, with B6 and B6, the parallel to series converter of
figure 6. The 16 gates of this section are connected to the BCD outputs of the signal
frequency-counter and are opened in sequence resulting in a serial 4 digits BCD code.

While the decade counters are IC complex TTL units (TI SN7490N), the NOR gates are
built from discrete components resulting in 5 mw power consumption per gate. The
recording unit is powered by a 4 cell rechargeable NiCd battery rated at 3.5 Amper-Hour.
The total current consumption of the unit (electronics plus tape recorder) is
approximately 350 ma. No voltage regulators are employed since the NiCd battery has a
relatively constant voltage output (5.4v - 4.5v) which is within the specified limits of the
logic circuitry.

An additional 22.5 volts small carbon-zinc battery is also incorporated to provide a high
voltage (at least 18 volts) “advance” commands, as required by the probe.

Recording Format    The recording unit was designed to operate continuously in five
second cycles (refer to figure 7). Each cycle starts with a reset pulse which clears the
signal frequency-counter. This is followed by a 1 second count of the input frequency
during which (excluding the last 0.1 second), a sync pulse is recorded on the tape to
identify the leading end of the frame. This sync signal is a continuous 250 Hz sine-wave
which is formed by chopping a DC pulse with a 250 Hz square-wave and filtering the
resultant to produce a relatively clean 250 Hz sine-wave. The last 0.1 second of the
counting period is left blank on the tape after which the 16-bits are serially recorded.
Each bit is recorded within 0.1 second of which the first part identifies the bit (zero or
one) according to the length of the 250 Hz sine-wave signal. For a “one” bit, the 250 Hz
signal lasts for 80% of the bit time but lasts only 20% of the time for a “zero” bit. The
first string of the 16 bits is followed by a second (shorter) sync signal after which the
name 16 bits are recorded again.

The length of the frame period (5 seconds) was dictated by the settling time of the probe.
Immediately after the 1 second counting period an “advance” command is sent to the
probe which advances the multiplexer one step ahead. The probe is then allowed 4
seconds to stabilize before its output frequency is counted. As 4 seconds are available for
recording it was decided to record the information twice in order to increase the system’
s reliability. It should be emphasized that in case of ambiguity one will always be able to
decide which of the two recordings is correct by comparing them to the adjacent
recording of the same parameter.



All the logic operations which are required for producing the sync pulses, spaces and
bits, are performed by the “editor” which is a discrete logic circuitry. These logic
operations are summarized on the bottom of figure 7. Note that all the necessary inputs
are derived from the oscillator’ s frequency divider or from the BCD to digital converter
(Z1 to Z10) which is driven by one frequency divider decade (DECA 5).

Synchronization and Bit Identification    The use of an entertainment-type tape
recorder with its relatively poor performance dictated a careful design to ensure reliable
read-out. The main problems that had to be overcome were inconstancy of the original
tape speed, wow and flutter. Our approach was aimed, therefore, at developing a sync
and bit identification method that will be practically independent of tape instantaneous
speed and will allow a large tolerance to the average tape speed. Another restriction that
had to be met, was the available recording frequency band which is only 100 Hz wide
(200 Hz-300 Hz).

We have overcome these restrictions by basing the bits and sync identification on the
number of cycles (the original 250 Hz modulating signals) which are contained in them.
Originally, the sync, the “zero” bit and the “one” bit differ in length. The “zero” bit is
0.02 seconds long, the “one” bit is 0.08 seconds long and the sync is at least 0.3 seconds
long. On the tape, however, these pulses are recorded as an interrupted 250 Hz sinewave
signal and will contain, therefore, different numbers of cycles. The “zero” bit contains,
5 cycles, the “one” bit contains 20 cycles and the sync contains at least 75 cycles. Hence,
one can identify the various pulses by counting the number of cycles within them. This
method is completely independent of the recording or playback speeds as long as the
read-out unit is capable of counting the (original) 250 Hz cycles,

Read-Out Unit    The block diagram of the read-out unit is depicted in figure 8 and will
be discussed in conjunction with the timing diagram of figure 9. The tape is played back
on a CRAIG 212 magnetic tape recorder and its “monitor” output terminals (these
terminals are merely disconnecting and replacing the speaker) are fed to the read-out
unit. The signal is first conditioned by AMP I which is a combination of a threshold
device, a hard amplifier and a limiter. The output of this circuit is a square-wave signal
as shown in figure 9. This signal is fed to a rectifier circuit which is followed by a
Schmitt trigger and a pulse amplifier (NOR 1). The output of the latter is a DC pulse
which is high whenever the input signal is low and vice versa.

The purpose of the rectifier unit is to reduce the erroneous readings due to noise spikes.
Since bit identification is based on counting and since the counting logic is relatively fast
any noise spike might be counted and may result in an error. We have overcome this
problem by introducing the rectifier circuit which includes an RC integrator. The Schmitt
trigger will fire only if the input signal will persist a sufficient length of time which will
be enough to raise the rectifier’s output above the firing level. Hence, a short spike or a



number of short spikes would have no effect on the Schmitt trigger. The output of
NOR 2, therefore, will be a squarewave which will be present only when a real input
signal is received. Clearly, one or two cycles of the input signal are lost during the
integration process which should be taken into account.

Each leading edge of NOR 1 output pulse clears the binary counter (BC) and the two
flip-flops (FF). The trailing edge of NOR 1 is used as a clock pulse (CP) for the shift
register.

The BC counts the incoming signal which is identified according to the number of the
counted pulses. If this number is less than 16 the input is identified as a “zero” bit and if
the number is between 16 and 64 it is identified as a “one” bit. In the latter case FF1 is
switched and a “one” enters the shift register when the CP arrives. If the number of
counts is larger than 64 a sync is identified, NOR 4 is locked to inhibit the CP from
shifting the shift register and a print command is produced by AMP 5. The shift register
is read out, therefore, whenever a sync pulse is identified since the shift register should
contain, at that instance, the preceding 16 bits BCD number.

All the read-out circuitry is realized by TTL logic excluding the amplifiers and the
rectifier circuits which are built from discrete components.

Performance    The signal to noise ratio (S/N) at the output terminals of the play-
bacTtape recorder is a function of the recording level, tape noise and noise figure of the
play-back amplifier. By properly erasing the tape one can obtain a low background noise
which is approximately 30 db below an average recording signal. This S/N is sufficient
to overcome the problem of dropouts which may cause, otherwise, erroneous decoding.
During read-out, the volume control of the play-back recorder is turned to its maximum
position so that the output amplitude is high enough - even during a dropout - to trigger
the read-out unit.

It was observed that sharp noise spikes may appear, superimposed on the signal, if heavy
loads are switched in the vicinity of the play-back tape recorder. The decoding method,
however, proved to be able to overcome these spikes.

The electronic circuitry of the recording unit was designed to operate in the expected
temperature range of 0EC-35EC and neither the electronics nor the tape recorder showed
any sign of performance deterioration when exposed to this temperature range. The
average tape speed was found to change slightly (3%) over this temperature range, but
this had no effect on the overall performance.

The system’s field performance is presently being evaluated by exposing it to actual
ocean measurements.



Conclusion    In this paper, we have attempted to describe the successful employment of
an entertainment-type magnetic tape recorder for the application of digital recording. It
was shown that a simple, inexpensive tape deck can be employed in conjunction with
high reliability and accuracy data recording. Although our system was tailored to meet
the particular application of oceanographic logging, it is clear that the basic method can
be employed for similar applications in which the use of a non-precision tape deck is
permissible.
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Fig. 1 - Simplified Block Diagram of the Recording Unit.



Fig. 2 - The Recording Unit.

Fig. 3 - Simplified Block Diagram of the Read-Out Unit.

Fig. 4 - Block Diagram of the Recording Unit.



Fig. 5 - Frequency Dividers and Main Gates of the Recording Unit.

Fib. 6 - Parallel to Series Converter.



Fig. 7 - Timing Diagram of the Recording Unit.

Fig . 8 - Block Diagram of the Read-Out Unit



Fig. 9 - Timing Diagram of the Read-Out Unit. 



CRACKED SOLDER JOINT MECHANISM IN DISCRETE
COMPONENT ASSEMBLIES

H. P. ESTES and P. E. THEOBALD

Summary    Solder joint cracking has occurred in assemblies where discrete part sub-
assemblies are fabricated on Printed Circuit Boards and conformal coating is applied to
the sub-assembly.

The objective of the investigation were to determine the extent and seriousness of the
problem, to determine the cracking mechanism, and to provide engineering and process
information to eliminate the problem.

The analysis and test results indicate that many factors influence the strength of a solder
joint and the ultimate crack that developes. Contamination by gold products and other
foreign materials can significantly affect solder characteristics. Aging and temperatures
experienced in the normal operating range of certain equipment adversely affects the
strength of the solder materials. Conformal coating between the discrete part and the
Printed Circuit Board is a major contributor to the cracking mechanism. Transistor
assemblies using a Spacer under the TO-5 enclosure with Kovar Lead Material and
completely covered with conformal coating have a high incidence of cracked solder
joints. This condition is caused by the mis-match of coefficients of expansion between
the Kovar Lead and the conformal coating.

Introduction    Information received by Chrysler Corporation in September 1966 started
an investigation of the cracked solder joint problem. The information indicated that
cracking appeared to be the result of stresses setup within the joint, primarily caused J)y
conformal coating or staking compound.

Preliminary test determined that solder joints could be cracked in the laboratory by
applying two (2) cycles of thermal stress over a temperature range of -20EC to +85EC.
The results of the preliminary test program indicated that a problem did exist. A program
was developed with the following objectives:

1) To determine the location of cracks and evaluate the seriousness of the problem.

2) To determine the need for an intensified investigation and test program.



To implement these objectives, 1,46,000 solder joints on discrete part assemblies were
inspected using a 30 power microscope. The tabulation of cracked joints that had not
caused circuit failures is as follows:

Component

Transistors 51
Modules 47
Resistors 8
Diodes 7
Capacitors 11
Bifurcated Terminals 32
PC Connectors    4 Total . . 160

There are several reasons why these cracks did not cause circuit failures. Stress on the
solder joints did not reach serious proportions and temperatures prevailing in the
assemblies remained near ambient; thus, large cracks did not develop. To date, only four
circuit failures were found attributable to cracks that occurred in equipment operating at
rather high temperatures. Only one of the four failures was verified in the laboratory as
the other 3 were reworked before the presence of cracks was identified. This failure
occurred when the base, emitter, and collector solder joints on a 2N657 all displayed
cracks. Application of slight pressure on the top of the 2N657 caused an intermittent
operation of the circuit.

Analysis and Test    To determine the cause and mechanism by which solder joint
fractures occur, a program of analysis and testing was implemented with the following
objectives:

1) Determine the thermal condition inside the assemblies.
2) Determine the coefficient of expansion of conformal coating used.
3) Analyze the effects of contamination and gold amalgamation on solder joints.
4) Determine the cracking mechanism.
5) Record on motion picture film the surface conditions of a solder joint during the

cracking sequence.
6) Develop applicable repairs.
7) Develop design guidelines.

Figure 1. - To appreciate the conditions encountered, let us examine the transistor sub-
assembly. The assembly consists of the transistor having a glass bulkhead. A spacer is
located between the bulkhead and board material. The Kovar leads are columns located
between the bulkhead, passing through the board and clinched loosely against the circuit
side of the printed circuit board.



Conformal coating completely covers the transistor and flows under the transistor
bulkhead filling all voids in the spacer.

Figure 2. - The coefficients of expansion of material in the sub-assembly are tabulated in
Figure 2. The right column indicates the unrestrained length change per degree
fahrenheit change.

Figure 3. - A determination was made of the coefficients of expansion of conformal
coating used on the sub-assemblies under consideration.

Five sources of conformal coating products were contacted who were qualified under the
applicable specification. The vendors did not know the C.O.E. of their products, however
estimates ranging from 30 to 150 ppm/EF were suggested.

Tests were run on products from these sources with the following results:

Source 1 C.O.E. ppm/EF Temperature Range EF
Sample A 102.5 81/177
Sample B 102.5 81/177

Source 2 100.0 88/182
Sample A 102.0 85/179.5
Sample B 99.5 80/181

Source 4 98.0 81/181
Source 5 77.5 84/182
Teflon Control Sample 54.0 82/176

Figure 4. - During the analysis of the conformal coating C.O.E. data, an interesting
condition was noted.

Figure 4 has three different materials plotted. Two are from data supplied by Dupont,
one material similar to the conformal coating on the assemblies and one slightly harder.
The third curve represents data of a test conducted at Chrysler Corporation Space
Division of presently used conformal coating. Although the test data is limited it is
interesting to note that polyurethane materials exhibit a variable coefficient of expansion
through the temperature ranges.

These differences could be significant when attempts are made to match the coefficients
of various materials in the discrete part assemblies. Other major contributors involved in
the cracking mechanism of the solder joint is the amount, rate change and resulting
temperature that the discrete part sub-assembly is subjected to during operation and off-
time.



1 Schlaback and Rider “Printed and Integrated Circuitry” McGraw-Hill 1963.

Figures 5, 6, 7. - The figures indicate a condition existing that influence the cracking
mechanism.

Air temperatures were recorded in various areas in three different assemblies. This data
was compiled to determine if any large temperature variations were experienced by these
assemblies during operation. All tests started with an ambient temperature of 24 to 25EC.

It should be noted that cracked solder joints have been located in all three assemblies
without any pattern developed except in one (1) circuit.

Recorded Temp. Rise, Figure 5. - Assembly #1 power supply exhibits an 9EC rise above
ambient temperatures. Other areas exhibit a 3E to 4EC rise.

Figure 6. - Within assembly #2 the power supply area exhibits a 9EC rise above ambient
and other areas of the low power dissipation exhibit a rise of 1EC to 4EC.

Figure 7. - Assembly #3 has a different thermal signature than the two previously
discussed assemblies. The general temperature level within all parts of the assembly is
higher by 5EC, or more than twice the temperature rise of the other assemblies. The
power supply temperature rise is 16EC or almost twice the rise of other power supplies.

TC8, located near the hottest parts of the sub-assembly, has a 20EC rise. This is in a
regulator circuit area where the serious joint cracking had occurred. Case temperatures of
the transistors on the regulator printed circuit board were also recorded. A 41EC rise was
noted on the case of a 2N657. Two effects of these high temperatures are detrimental to
solder joints. As the temperature increases within the ranges experienced the strength of
the solder decreases, and elevated temperatures accelerate the aging process of the
solder.

Figure 8. - A microphotograph of a good solder joint is included for reference. Notice the
solder is smooth and dense. The solder covers the wire without voids or discontinuities
of any sort.

Materials Investigation    Tests1, indicated that 5% of gold by weight in a 60/40 tin-lead
solder joint can markedly reduce the ductility in addition to forming undesireable gold
solder compounds.

During the manufacturing process, the gold plating is removed from the solder pad on
PWA’s with an eraser. This process does not remove all of the gold. The gold plating is
not removed from the component lead or from the bifurcated terminal prior to assembly.



Figure 9. - Generally the lead materials involved include gold plated Kovar on
transistors, tin coated nickel on modules, copper on capacitors, gold plated beryllium
copper on connectors, and gold plated copper on bifurcated terminals. Figure 9 indicates
a material problem with a gold amalgamation formed at point A. Notice how the solder
has puddled along the top of the gold. In addition we have a void (point B) probably
caused by a cyniade complex or other contamination. Point C is the gold plating and
point D is the copper pad. Notice that this crack is shallow and does not affect the
electrical continuity of the joint. (Points E). In our analysis we have found the gold
plating is not a basic cause of cracks but is a contributing factor.

Conditions that contribute to the cracking of solder joints associated with the transistor
sub-assemblies that have been under investigation, have been outlined., In brief these
conditions are important factors in causing cracked solder joints:

1) Thermal cycling of the assembly.
2) Mis-match of thermal coefficients of expansion of materials. Kovar lead material

3.25 vs conformal coating at 97.6.
3) Gold and other contaminants that affect the strength of the solder.

With these conditions present the mechanism of the failure can be explained as follows:

Failure Analysis (refer to Figure 1).

1) The principal failure mechanism which creates cracks in solder joints is stress
applied to the joint in the absence of adequate component lead stress relief.

This mechanism is activated by thermal cycling, due to environmental extremes
and operational temperatures, which act upon the wide range of coefficients of
expansion found in the various materials in and surrounding the joint.

2) The strength of solder normally decreases with time. The aging effect is
accelerated by elevated temperature and exposure to repeated stress.
Contamination also reduces the strength and includes the presence of gold.

3) The conformal coating is applied to the assembly in a viscous form and then cured
for 14 hours at a temperature between 60EC and 76.6EC. During this period of
time, at the elevated temperature, the coating adheres strongly to the transistor
bulkhead and board. A stress balance probably occurs at the curing temperature. If
shrinkage allowed under the coating specification is introduced after the adhesion
takes place (3% Max), the balance temperature may change.



4) When the assembly is cooled to ambient (25%C) after the curing stage a
compression stress is introduced into the Kovar lead and a shear stress occurs in
the solder joint. When the assembly is heated up during normal operation,
especially in the VCO circuit enclosure, the assembly passes through the stress
balance point, a tension stress occurs on the Kovar lead and a reversed shear stress
occurs on the solder joint. Thus a stress reversal has occurred in the solder joint.
This condition is probably the chief cause of the cracking condition.

Repairs. - Equipment in operation can be modified to reduce the incidence of cracking.
Three methods are included as follows:

Vinyl Boot Fix - Figure 10. - Vinyl boot repair of transistor cracked solder joint.

1) Illustrates the manner in which the boot prevents conformal coating from entering
beneath the transistor. Examples of this repair were installed on the sample boards;
twenty thermal cycles of -20EC to +85EC and one of -50EC to +85EC were
completed without the development of cracks. This repair is preferred over #2
because it relieves the source of stress.

Copper Sleeve Fix - Figure 11.

2) Repair cracked solder joint by the use of an oxygen free high conductivity copper
sleeve. This repair was performed on sample assemblies. Twenty (20) cycles of
temperature from +85EC to -20EC were completed without cracks developing. The
OFHC sleeve increases the strength of the solder joint without relieving the cause
of stress, thus transferring it to some other part of the assembly.

The photograph (Figure 12) of the sleeve fix indicates the size and shape in relation to
the normal solder joint. The sleeve fix was inspected closely by re-moving the conformal
coating to see if the pad had been lifted or if other problems had developed. None were
visable. Prior to the application of this type of fix proper authority must be granted by
Procurement agency. This fix has not received across the board approval.

Bifurcated Terminals    (Figure 13). - All leads attached to bifurcated terminals must
have some degree of freedom. On one assembly the leads were twisted and the solder
joints cracked. This was from lightning the sub-assembly without holding the transistor.

Design Guidelines

1) Every effort must be made to provide adequate strain relief for the leads of
discrete components.



2) The specification of materials which are associated in any way with the solder
joint and which have dissimilar coefficients of expansion should be avoided.

3) It is desirable to install components such as welded modules, where multiple leads
emerge from a single surface, by rotating them 90E so that the leads may be bent
for strain relief.

4) Adequate cooling should be provided by the use of heat sinks or other thermal
paths when further derating is not feasible.

5) Avoid installation configurations which will permit the pocketing of conformal
coating beneath components.

6) The use of transipads with transistors is to be discouraged; when this cannot be
avoided, provisions for strain relief of the leads such as a “c” bend should be
specified.

7) Specify components with solder plated leads; gold plating is to be avoided.
8) Solder plated printed circuit board conductors are preferred.
9) Electronic assemblies should be designed to minimize the temperature extremes

that will be seen by the enclosed printed circuit boards.

Time-lapse photograph was used as a tool for further analysis of actions taking place
during thermal cycling of the representative solder joint.

Time lapse photograph data:
2N337 transistor lead photographed
Recording time: 24 hours
Frame Rate: 10 FP minute first 8 hours

  5 FP minute second and third 8 hours
Solder pad diameter   80   thousandths of an inch
Crack width developed   1   thousandths (approx.)

The assembly was installed in a temperature chamber. Power was applied to the circuit
during the temperature rise and removed during the temperature decrease. Typical
temperature cycling is noted on Figure 14.

Seventeen temperature cycles were completed as noted below. These reflect chamber
ambient temperature air.

Cycle 1 25EC to 0EC Cycle 10 85EC to 0EC
2 0EC to 85EC 11 0EC to 85EC
3 85EC to 0EC *12 85EC to 0EC
4 0EC to 85EC 13 25EC to 0EC
5 85EC to 0EC 14 0EC to 85EC

*6 0EC to 85EC 15 85EC to 0EC
7 25EC to 85C 16 0EC to 85EC



8 85EC to 0EC 17 85EC to 0EC
9 0EC to 85EC

* = cycles indicated occurred at the end of the day shift and were not continued during
the night shift.

The motion picture was evaluated to determine when, in each cycle, first motion
occurred, the extent and type of solder displacement and direction of displacement.
Figure 15 represents the first motion time for each cycle. No motion was observed during
cycles 1 and 13 which had a temperature change from 25EC to 0EC. Five types of
indications were observed to occur during the temperature cycling.

1) A texture change on the surface of the solder occurs at the heel of the joint which
tends to outline the through hole in the PWA.

2) During cycle #2 a reflection on the Kovar lead moved along the lead as the
temperature was changing. This indicated that the lead was bending with the toe
end acting as a hinge.

3) During cycle 5 the crack developed. The edges of the crack became distinct.
4) Bright spots appear and disappear on the surface of the solder in the general

location where the crack finally developed. The bright spots are reflections of the
lighting sources and are attributed to irregularities on the solder surface developed
by the motion of the solder under stress.

5) During the temperature cycles from cycle 5 on, the motion of the Kovar lead can
be seen quite readily. The lead moves out of the solder joint during decreasing
changes and into the solder joint during increasing temperature changes. This
action also makes the crack appear to open and close.

Reference Figure 15

The plot of first motion observed on the surface of the solder joint after the beginning of
each cycle is presented. Although the data is limited to one run of 17 cycles, a trend is
noticeable. The time to first motion during both increasing and decreasing temperature
cycles is progressively less to cycles 10 and 11. The trend seems to be reversed after
cycle eleven. The complete evaluation of this phenomena is not anticipated. Cycles 1 and
13 indicate no motion because of their small temperature excursion from 25EC to 0EC.

Reference Figure 16

The plot of end-of-motion observed on the surface of the solder joint after its beginning
of each cycle is presented. The trend observed of first motion is not as apparent for end-
of-motion. The time for each cycle varies considerably, however, the average time for
cycles 2 through 9 and 10 is fairly constant. At cycles 9 and 10 the time increases as was



noted on the first motion plot. It is logical to assume that as the solder joint fractures and
the crack developes, less force is required to start the joint moving; thus, it would be
expected that time to first motion and time to end-of-motion would be less as cycles
increase. The phenomena occurring at cycles 9 and 10 has not been completely
evaluated.

Instrumentation was not available to detect the actual joint temperature. It is realized that
an appreciable thermal lag existed between the chamber air temperature and that of the
joint. Since the circuit is energized after cold soaking, the time to first motion should be
shortened during the increase temperature cycle and the joint should stabilize at a higher
temperature than the chamber. During the decrease temperature cycle, the power is off
but the cooling effect of the chamber is not accelerated by any other source.

Verification of the theory of a stress balance point was not achieved which may have
been due to our ability to detect motion on the film and the limited accuracy of our
temperature controls.

Conclusions

1) Solder surface texture changes and bright spots do indicate stresses prior to the
appearance of a crack.

2) The solder joint cracks primarily because of a compressive force in the component
lead.

3) Cracks do not appear abruptly, nor do they progress rapidly.
4) Many more cracks could be detected if the inspection was made at reduced

temperature due to the “self-healing” tendency of a crack at normal ambient
temperature.

5) Conformal coating under the part with temperature cycling over normal operating
temperatures can cause cracks when no stress relief is provided.

6) Contaminants, including gold from plated parts reduce the strength of solder
joints.

7) Cracks that have been detected in assemblies other than the 4 previously discussed
failures are partial fractures and therefore have not caused circuit failures as
shown in Figure 14.

Figure 17. - Figure 17 is typical of many joints sectioned. It is significant to note that
although the crack looks severe on the surface, the crack does not affect the electrical
continuity of the joints. For this reason we feel that cracks occurring in equipment other
than in assembly #3 where the temperatures are rather high, the probability of electrical
failure is very low. This is supported by the number of cracks observed without any
electrical failures.
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Figure 7

ACCEPTABLE SOLDER JOINT

Figure 8
Good Solder joint.
Solder surface smooth and the solder is homogenous.



MATERIAL PROBLEM

Figure 9. - Material Problem

A. Gold amalgamation formed on the circuit path.
Enlarged section of point A. Gold amalgamation is formed between the copper
land (D) and the solder (F).

B. Void in solder.

E. Surface of solder with crack evident.

E1. Section of crack showing location in joint.

E2. Enlarged section of crack.



Figure 10

Figure 11



SOLDER SLEEVE FIX

Figure 12. - Tublet

A. Tublet soldered in place

B. Copper land.

C. Copper pad.

D. Normal solder joint.



BIFURCATED TERMINAL

Figure 13. - Bifurcated Terminal

A. Bifurcated terminals.
B Clearance must be allowed for stress relief.

Figure 14



Figure 15

Figure 16



TYPICAL CRACK JOINT

Figure 17. - Typical Cracked Joint

A. Surface indication of a crack.

A1. Position of crack in joint.

A2. Enlarged section of crack.

B. Position of crack in joint.

B. Enlarged section of crack.



A 100 kHz SYSTEM WITH AUTOMATIC OPERATION:
THE OMEGA IV TELEMETRY PROCESSOR

THOMAS R. NORTON and JOSEPH I. NORWORTH
STELLARMETRICS
an Aydin Company

Santa Barbara, California

Introduction    The advent of UHF into the telemetry transmission spectrum has
introduced the need for ground acquisition stations capable of commensurate operation
with the higher data rates being used. In PAM systems, for example, 10 kHz had long
been the recognized upper limit of data repetition. Today, however, 25 kHz PAM is an
increasing operational requirement, and 100 kHz PAM is being forecast for operation in
the near future. The continuous data bands are also expanding, to where only a few
simultaneous inputs can easily constitute a system requirement for 100 kHz data
responses. Because of these higher rate inputs, the capability for 100 kHz operation will
surely be a basic specification for ground stations operating through the early 1970’s.

Obviously, vast amounts of data must be processed, analyzed, and ultimately stored in a
100 kHz run of even a few minutes’ length, and the data produced in longer runs can be
exorbitant. This can present innumerable problems at the ground station. For example,
handling this data flow will present a challenge to the most accomplished station
operators. Hence, the 100 kHz telemetry ground station should be an automatic station,
capable of complete programmed setup and operation without operator intervention.
Even the storage space requirements for the final processed data will be a problem at
many smaller stations. To alleviate the storage problem, the system should be capable of
a form of data compression that eliminates redundancy in the outputted data and thereby
reduces the amount of data that needs to be stored.

This paper describes the Stellarmetrics OMEGA IV Telemetry Processor-- ground
station completely designed for the telemetry requirements of the 1970’s. The
OMEGA IV is a 100 kHz system, which acquires, processes, and outputs up to 23
frequency modulated signals and two time-division multiplexed signals applied
simultaneously from an instrumentation recorder. Digital outputs for all input channels
are written on magnetic tape for playback and further analysis, or permanent storage, and
consist of data-values, addresses, and necessary flags. Sixty analog outputs are also
program addressable for any 60 continuous or PAM channels, and used for driving
galvanometers in oscillograph recorders. The OMEGA IV is completely programmable



with paper tape, magnetic tape, and keyboard inputs, and is capable of automatically
performing the following operations: Programmed tape search and control in accordance
with recorded start and stop time indices; programmed setup for tape track routings,
subcarrier discrimination, PAM synchronization, and data sampling; programmed data
preprocessing, including two modes of data compression with individual program
options for every continuous and PAM input channel; programmed data formatting for
magnetic tape outputs; programmed addressing of digital to analog converters for
oscillograph outputs; and programmed oscillograph control.

System Description    Figure 1 is a block diagram showing the major functional
subsystems in the OMEGA IV Telemetry Processor. The Input Subsystem includes the
instrumentation recorder, an FM sequence calibrator, a 100 kHz PAM/PDM signal
simulator, and an input signal routing matrix. The signal routing matrix allows any of the
14 input tracks from the instrumentation recorder, as well as the simulator input,
calibrator input, and up to five auxiliary inputs, to be switched to any combination of
components in the Signal Conditioning and Timing Subsystems. In the Signal
Conditioning Subsystem, frequency modulated data inputs (FM/FM, PAM/FM or
PDM/FM) are applied to any programmed combination of 23 fixed tuned and two
variable tuned subcarrier discriminators. Discriminated PAM/FM and PDM/FM are then
routed to two PAM/PDM synchronizers; unmodulated PAM and PDM inputs are routed
directly from the input signal routing matrix to these synchronizers. The PAM/PDM
synchronizers automatically perform data conditioning, pulse rate synchronization, frame
sync detection, and level and gain compensation, on all IRIG formatted PAM-RZ, PAM-
NRZ, and PDM pulsetrains. Two synchronized and conditioned, PAM/PDM pulsetrains
from the synchronizers, along with the 23 continuous data outputs from the subcarrier
discriminators, are then applied to the Preprocessing Subsystem.

A 100 kHz 25 channel multiplexer in the Preprocessing Subsystem is used to sample
each continuous and PAM/PDM channel. The sampling sequence of this multiplexer is
completely programmable; however, PAM/PDM inputs are automatically sampled on a
priority basis, since these will be received at unknown asynchronous intervals. When a
PAM/PDM channel is received at the multiplexer, the continuous channel sampling
sequence is interrupted and the PAM/PDM channel is immediately serviced; the normal
programmed sequence is resumed after this sample. From the multiplexer, analog data is
applied to a high-speed analog to digital converter, where each data sample is digitized
into a 10-bit binary word. The digital data is then processed through the data compressor
for redundancy elimination. On any continuous or time-multiplexed input channel, only
those samples necessary for reconstructing the original signal, within a programmed
tolerance band, are processed through the data compressor. All samples that are not
needed for data reconstruction are considered redundant and discarded (i.e. , not
transmitted to the output) .



The OMEGA IV Telemetry Processor is capable of operation in two modes of data
compression: floating aperture (zero order predictor) data compression and fixed limit
data compression. All continuous and PAM/PDM input channels are individually
programmed for value and tolerance band in either mode. In floating aperture data
compression, a prediction is made that subsequent data samples will fall within the
assigned tolerance band of the last significant sample. The succeeding samples are
discarded if the prediction is correct; a sample is transmitted only when it falls on or
outside the two tolerance limits. The value of this significant sample then replaces the
previous reference value, and the tolerance band relocates around the new value for
subsequent comparisons. In fixed limit data compression, the tolerance band has a single
set of fixed programmed positions, and a sample value is transmitted only when it is
observed to be outside of these positions. The system can also be programmed with no
data compression, and used for transmitting all data samples on, for example, very fast
moving channels.

Digitized and compressed data samples, along with channel identification, certain status
flags, and periodic time data, are applied from the Preprocessing Subsystem to the I/O
Processing and Formatting Subsystem. This latter subsystem contains a small, general-
purpose digital computer, equipped with teletypewriter and paper tape reader peripherals.
During normal data operations, the computer serves principally as an input/output buffer
and formatter. The computer receives setup and operating programs from the paper tape
reader and teletypewriter, and distributes these programs through a program control unit
to the appropriate subsystems to achieve a system “ready” status for subsequent data
processing. During the actual data processing operation, the computer serves as an
output buffer and formatter, receiving the digital information from the Preprocessing
Subsystem and transmitting this information, assembled and, properly formatted, to
output devices in the Output Subsystem.

In the data processing operation, most of the system control is accomplished in the
Timing Subsystem. One input track from the instrumentation recorder, the time track,
contains coded time indices that provide time correlation of data sequences to be
processed and recorded. This coded time data is routed to the time code reader/translator,
where it is scanned at search speed until the desired start time is located. The tape is then
stopped, automatically backed up to the beginning of the start time, and started again at
the desired playback speed. Data processing commences at the start time and continues
through all data blocks until the programmed stop time is sensed and the operation
halted. During data processing, the Timing Subsystem also generates fine-time words,
which are applied to the data compressor and interleaved with the data output at one
millisecond intervals. A flag bit in the output distinguishes data from the timing
information.



In the Output Subsystem, formatted data from the computer is routed for magnetic tape
recording and oscillograph display. All data transmitted from the Preprocessing
Subsystem is written on magnetic tape, while only 60 program selected data channels are
routed through digital to analog converters which drive the galvanometers in the
oscillograph recorders.

In the magnetic tape output, a “header” word, programmed in a test control panel, is
inserted at the beginning of each data block being processed. This word contains six
decimal digits of miscellaneous run information, as well as a 42-bit time word that
identifies the day, hour, minute, second, and millisecond of the data block. After the
“header”, assembled tape records are automatically completed with data and fine time, in
seconds and milliseconds.

The output data word consists of 24-bits, divided as follows: data value (10 bits),
channel identification (9 bits), data/time flag (1 bit), PAM sync status flag (1 bit),
PAM/continuous channel flag (1 bit), PAM source (1 bit), and periodic readout flag (1
bit). The periodic readout flag denotes a periodic data word (every 1024th sample) that is
transmitted through the data compressor, irrespective of the results of data compression.
This periodic readout insures some form of data output in the event that all other data is
discarded in the compression during a period of very slow signal activity. The output
time word is interleaved with the output data words at one millisecond intervals, and
consists of 19 bits weighted in seconds and milliseconds, and the data/time flag.

Data that is selected for analog display on the oscillograph recorders is handled
differently than the digital magnetic tape outputs. The digital outputs are preprocessed
for redundancy elimination to increase the data throughput rate and decrease the tape
length; however, there is no advantage gained in similarly compressing the analog
outputs since the oscillograph galvanometer can easily respond to the updating rate of
the selected readout channels. Selected channels are therefore inputted to the digital to
analog converters without compression, while the same channels are inputted to
magnetic tape with compression. Analog outputs are addressable for any 60 input
channels (continuous signals and PAM/PDM channels) for display on the 60
oscillograph channels.

The oscillograph recorders are also utilized in reconstructing the digital data from
magnetic tape for display and other analysis. In the data reconstruction cycle, the digital
magnetic tape is searched for correlation with the programmed “header” start time of the
data sequence to be reconstructed. Data from the magnetic tape is then read, and each
fine time word in the data record is correlated with the real-time reconstructed data. The
data, along with a slow time-code signal, is then outputted to the oscillograph recorder in
perfect time sequences with the recorded time indices.



100 kHz Data Throughput    As previously noted, the OMEGA IV Telemetry Processor
is a real-time system, capable of simultaneously processing any combination of the time-
division multiplexed and continuous inputs with frequency responses totaling 100 kHz.
In order to accomplish this, all frequency and rate dependent components in the system
had to be specifically designed for high-speed compatibility.

In the Signal Conditioning Subsystem, the PAM/PDM synchronizers are complete
functional entities that perform all the necessary operations for decommutating 100 kHz
PAM inputs. Of these operations, channel rate synchronization is the most vital to
successful system operation in the PAM modes. The synchronizers utilize phase-lock-
loop techniques to accomplish synchronization on all PAM-RZ/PAM-NRZ inputs with
rates up to 100,000 pps. The loop bandwidth responses are fully automatic for both
acquisition and lock operations on signals that may be severely degraded by noise, jitter,
and missing pulses. Also, an integrating sample-and-hold signal conditioner eliminates
input noise, so that a noise-free, steady signal level is provided for sampling, digitizing,
and data processing through the system.

Data sampling and analog to digital conversion in the Preprocessing Subsystem is also
geared specifically for the 100 kHz throughput. The 25 channel multiplexer operates
with a sampling speed of 100 kHz through all continuous input channels. Because high-
rate PAM pulses have only limited, asynchronous times available for sampling, these
pulses are serviced on a priority basis as soon as they are received. Additional
multiplexer efficiency for high-speed operations is provided by the “look-ahead”
technique of multiplexer address programming. This time-sharing feature allows two
channels in simultaneous operation-one being sampled and digitized and the other being
preprocessed-within the 10-microsecond limit for 100 kHz operation. Analog to digital
conversion for the 10-bit data value is performed in the OMEGA IV in a 4-microsecond
digitizing cycle.

Data compression is, of course, the most significant feature of the OMEGA IV Telemetry
Processor in facilitating the real-time 100 kHz data throughput to magnetic tape. The
fastest magnetic tape transports have transfer rates of 120, 000 characters per second
(800 bpi x 150 ips); hence, the limit for uncompressed throughputting of fully identified
and tagged data (3 characters per word) is 40 kHz. A colossal memory buffer would be
required to output uncompressed data with rates faster than 40 kHz. On the other hand,
the 100 kHz real-time system is completely practical with only a conservative 60 percent
redundancy reduction in the data compression.

Consider a basic example in which two continuous inputs are sampled at the 100 kHz
multiplexer rate. One input (IRIG channel 1) has a nominal frequency response of only 6
cps, while the other input (IRIG channel H) has a nominal frequency response of 4950
cps. The multiplexer samples each signal with a uniform 50 kHz rate as it switches



alternately from one input to the other in the multiplex process. Since the channel H
input is sampled at more than 10 times the frequency response, a sufficient number of
these samples will be taken for extracting the information content of this input during
periods of the most rapid signal activity. During periods of slow signal activity, a large
portion of these samples will be redundant, and hence discarded to reduce the system
throughput requirements. Also, the 6 cps signal from the channel 1 source is sampled at
8,333 times the frequency response (50,000 ÷ 6), which is far more than necessary for
extracting the information. Assuming that the IOF sampling rate is sufficient for accurate
information recovery, 49,938 samples (8,323 x 6) of this signal can be entirely discarded.
These operations lower the data throughput of the system for compatibility with the
magnetic tape transport, and, since redundant data is not outputted, reduce the amount of
tape required for recording the information. Hence, an attendant advantage of the data
compression is to reduce the storage space required for the recorded data.

Data compression in the OMEGA IV is accomplished in a hardware data compressor that
performs the algorithm through a wired logical routine. The compression operation for
either floating aperture or fixed limit compression is performed in 2 microseconds.

It is significant that the digital computer in the I/O Processing and Formatting Subsystem
is used only as an input/output buffer and formatter during data processing operations.
Even the most powerful digital computers available can do little more than this with 100
kHz throughput rates, and then only by complex programming techniques that are
expensive to write and hard to implement. By utilizing the hardware data compressor,
which is specially designed and optimized for preprocessing the data before inputting to
the computer, the 100 kHz throughput is economically achieved, and system software
requirements are reduced to basic setup and operating programs, easily written and
implemented.

In performing the buffer output operation, the direct-memory-access (DMA) channel of
the computer is utilized. Data from the data compressor is inputted to the computer
through the DMA in two memory cycles (3.6 microseconds). The data is then inputted to
the magnetic tape, via the I/O channel, in three memory cycles (5.4 microseconds),
completing the input/ output routine in 9 microseconds, well within the 100 kHz
throughput objective of the OMEGA IV.

Automatic System Operation    Many studies have been conducted regarding the
efficacy of system operators and the cost-effectiveness of automatic equipment in
telemetry ground stations. While the results of these studies may not be conclusive
enough to formulate a general rule for all stations, it would be difficult to imagine a
sophisticated system with the data handling versatility and speed of the OMEGA IV
operating efficiently under the manual control of a station operator. With four racks of
equipment to operate, turn-around time alone would have to be calculated in hours, and
operational adjustments would be virtually impossible while data is being throughputted
with 100 kHz rates. Hence, one of the basic factors in the design concept of the OMEGA



IV was the incorporation of capability for total automatic operation in all modes.
Because of the value of manual controls for system and program checkout, and
troubleshooting, etc. , all programmable functions for complete system operation are,
however, also duplicated by front panel controls. If necessary, the operator can thus
override any programmed function by the front panel controls.

For automatic operation, programs are normally entered into the OMEGA IV by the
high-speed paper tape reader or the standard ASR-33 teletypewriter keyboard. A high-
level programming language compiler (TELSET) is provided to allow English language
commands to be inputted for all telemetry operations. TELSET automatically converts
these program inputs to machine codes, and also provides both fatal and non-fatal
diagnostic messages for program errors. On completion of the program loading routine,
the OMEGA IV is in a “ready” mode with all functional parameters set in accordance
with the input and output requirements of the data run to be performed. Data acquisition
and processing then starts and continues through the data run with no manual
intervention required. A partial list of the programmable parameters of the OMEGA IV
is given in table I for quick reference to system operations.

The automatic operational feature of the OMEGA IV Telemetry Processor affords the
system capabilities of self checkout and calibration. The FM sequencer calibrator and
PAM/PDM simulator in the Input Subsystem are programmable units and capable of
generating test and checkout signals for all data paths through the system. Accurate
calibration signals are generated under program control for calibrating the system from
tape output to oscillograph display. In normal operation, programmed checkout routines
can be run prior to each data pass, with the actual data parameters set up and all
applicable equipment exercised. For troubleshooting, maintenance routines will exercise
all equipment in all modes, and provide printed readouts of trouble areas.

System Modification/Expansion     While the OMEGA IV Telemetry Processor
described in the paper is used in a particular application with PAM/ FM, PDM/FM, and
FM/FM input signals, the system is inherently capable of modification and expansion for
any requirement and in all modes of telemetry operation. For example, equipment
presently available will provide input capabilities in the PCM and PCM/FM modes,
while the utilization of a general-purpose computer allows almost unlimited flexibility in
attaching standard peripherals on the computer input/output interface. Another expansion
capability will allow real-time frequency and power spectral analysis of input video
signals.

In summary, Stellarmetrics has designed the OMEGA IV Telemetry Processor with the
basic capabilities for 100 kHz, real-time telemetry data acquisition and throughput, and
with automatic operation. These capabilities form a foundation for modular system
expansion to accommodate all foreseeable data handling requirements through the
1970’s.
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Figure 1.  OMEGA IV Telemetry Processor Block Diagram



HIGH RELIABILITY TAPE RECORDERS FOR SATELLITE,
AIRCRAFT & DRONE APPLICATIONS

Selmer Wiig and Robert Santee
Borg-Warner Controls

E. D. Lucas, Jr.
Best Electronics

Summary    A new series of magnetic tape recorders has been developed and flight
tested, offering a much higher reliability figure and somewhat improved performance
over previous design, especially in terms of long life. Featured is a transport design
having only seven moving parts, as compared with three or four times that many in
conventional tape recorder mechanisms. Details of this design are described indicating
how it is possible to achieve an operating life of 16,000 hours of continuous service in
satellite applications. A comparable electronic advance has been in digital record-
reproduce techniques where Borg-Warner Controls engineers have developed bit
dejittering and servo speed control circuitry that makes possible transmission of recorded
PCM or other digital data at high data rates with an essentially jitter-free output from
reproducer to telemetry transmitter.

Micro Loop Direct Drive Tape Transports

Introduction    A series of airborne tape recorders has been designed at Borg-Warner
Controls with the major objective of reducing the total number of moving parts to a
minimum, to achieve greater life and improved reliability. In so doing it has been
possible to eliminate such previous troublemakers as belts, clutches and, in some cases,
gears.

Although in the BWC transport designs, mylar belts are still used for such specialized
applications as certain re-entry recorders, and although our company has expended tens
of thousands of dollars and thousands of man hours in developing improved techniques
for manufacturing good belts, in the new design, belts are usually eliminated. They are
used when tape speeds of 1-7/8 ips and lower are required to avoid the cogging problem
with the d-c motor.

Similarly, clutches have always been a source of trouble and have been the cause of
certain extremely costly failures in flight recorders. Manufacturers of electromagnetic



clutches have done a good job for certain applications, but their use in tape recorders,
because of end-loading of shafts, proved to be hazardous with any available designs.
Some years ago Borg-Warner Controls analyzed all clutches then available and
eventually we had to design and manufacture our own clutches to achieve increased life
and reliability. But certainly the best solution of the problem was to eliminate clutches,
which at best had a life of a few hundred hours and which were components that could
result in catastrophic failure of the recorder.

Motors have also been a problem, as well as bearings. By using a design with a direct-
drive capstan and low speed pancake d-c motors, it has been possible to predict reliable
continuous operation of a recorder for a two-year period, or quite possibly longer.

The new series of BWC tape transports features a single capstan driven directly by one
or more pancake d-c motors mounted on the same shaft as the capstan. A multi-tooth
gear mounted on this shaft provides a means, with an associated magnetic pickoff, of
generating a series of pulses or counts signifying motor speed and serving as the
electromagnetically produced signals used, as will be explained later, in our phase lock
servo speed control system for controlling tape speed. In one design an optical pickoff is
used instead of the magnetic type.

Figure 1 shows the Micro-Loop Tape Drive. Note that the magnetic heads are placed
very close to the single drive capstan. This design has been proved to have many
advantages, especially in low wow and flutter in both mild and severe environments.
With the direct drive, we can operate the d-c motor at relatively low rpm compared with
other d-c or a-c tape drives. At a tape speed of 15 ips in a typical transport, the motor
rpm figure is only 420 rpm. The motors we use are rated in airborne environments as
having a reliable life of about 3 x 109 rpm. Our motor life is many thousands of hours.
We treat these motors well electrically. Each motor has four brushes, a redundant set. We
apply less than 20% of the maximum rated current,to these brushes; voltages applied are
also held at conservative levels.

Tape Drive    Magnetic tape is driven by a single wrapped capstan. Tape motion is
achieved by wrapping the magnetic tape around a 3/4 inch diameter capstan coated with
polyurethane, a high coefficient-of-friction material. This tape drive technique is
designated the Micro-Loop drive due to the short span of tape between the read/write
head gaps and the driving capstan. This is an important feature especially at low speeds.
Scrape flutter can be a serious problem if the tape is not controlled carefully as it passes
over the head gap. A diagram of the tape path and transport is shown in Figure 2. Since
the tape is controlled by reel servos or negator springs to provide equal tension, only the
friction of the tape passing over the magnetic heads must be overcome by the capstan.
This reduces wear on the tape and wear on the motor. Stable tape motion through the
extremes of temperature is assured.



A premium quality d-c motor is mounted directly to the capstan shaft.

Speed control is achieved by a phase-lock servo. A ratio of 250:1 has been achieved
between the lowest record speed and the reproduce speed. This speed change capability
has been demonstrated and tested at Borg-Warner Controls and a similar recorder (the
Model R-310) is presently being supplied for the OV- I satellite program. Capstan motor
velocity is quite stable even at 12 rpm due to the high resolution and gain achieved by
the phase-lock servo. The motor speed is controlled within ±0.25 percent of the nominal
speed. It should be noted that any jitter present in the digital data may be removed later
by the dejittering buffer technique.

The capstan motor is enclosed in an explosion-proof housing as shown in Figure 3.
Preloaded bearings are used in the capstan motor, providing resistance to the damaging
effects of vibration and shock. The bearings are sealed against contamination by sealed
bearings and also by an external seal.

Ball retainers are of the porous phenolic design which provide lubricating oil even after
extensive periods of storage.

The capstan drive described is well suited to both analog and digital recorders and
provides reliability through the elimination of complex mechanical speed changing
mechanisms.

Reel Drive    In a typical reel drive, the tape tension provided by the reel motors is
8 ounces ±1.0 ounce throughout the full tape length. This reel tensioning arrangement
has the following advantages over most airborne units:

a Gentle tape handling
b Even load on capstan motor
c. More even tensioning (30 - 40 percent variation in negator springs on

uncompensated reel drive systems)
d. Protection against moisture
e. Operation in a low oxygen environment
f. Long life

Each reel is driven directly by a d-c motor. The motor is enclosed in an explosion-proof
housing as shown in Figure 4. Precision Class 7 preloaded bearings support the reels and
also the motor rotor. The design allows each reel drive to be a plug-in module which
includes the motor, brake, and reel hub. Tape tension control is maintained by an open-
loop servo. Servo tape guides sense the tape diameter to control the voltage to the reel
motors.



Braking System    Fail-safe brakes are provided to control tape tension in the event of
power failure or when power is removed. Self-energizing brakes reduce power
consumption of the brake-actuating solenoid. The reel drive and braking mechanism are
protected from the effects of moisture and will operate in a low oxygen atmosphere
without effect. The reel drive and braking system described provides maximum control
of the tape tension with minimum complexity and highest efficiency and will provide
long life without the need for maintenance.

Tape Guidance    Tape guidance and handling of reels is considered to be of major
importance. The tape path is shown in Figure 2. Fixed flange guide rollers control the
tape precisely to assure minimum skew. All guide rollers and heads are mounted on a
single plane so that tolerances can be controlled precisely. The only sliding friction
against the tape oxide occurs at the magnetic heads.

Electronic

Introduction    One of the most useful bit jitter specifications applicable to digital tape
recorders used in PCM telemetry systems is contained in IRIG 106-66. A limit of
cumulative time displacement error (TDE) is established in this document. The TDE of
each bit in a specified time interval is measured relative to the average bit start time as
dettermined during the preceding interval. This interval is defined as 10 times the time
between guaranteed data transitions, or 10 times the maximum expected duration of
sequential “ones” or “zeros”.

If a digital tape recorder used in a telemetry system does not meet this bit jitter
specification, then it is likely that the ground station receiver will have trouble in locking
on the telemetered PCM data, and remaining locked on. This kind of difficulty has been
particularly apparent when data rates transmitted are in excess of 50 kilobits per second
(kbs).

During the past four years BWC has developed a series of airborne digital recorders
including bit dejittering circuitry. A major objective of this work has been to provide
PCM machines which would furnish a considerable data storage capacity, usually several
million bits, and which would represent a “black box” having essentially jitter-free
output on demand. Thus the PCM telemetry system can be built around this black box as
if it did not exist except for the specified minimum number of dropouts characteristic of
any digital recorder-reproducer.

Because of this dejittering circuitry and its associated phase-lock servo system, it has
been possible to place less emphasis on a sensitive precisely tuned tape transport. In fact
BWC is making recorders used in such a difficult environment as the re-entry vehicles



employed in modern missile test programs where PCM data is recorded and reproduced,
and then delivered to the telemetry transmitter in a high-rate digital bit stream -- up to
400 kbs -- that meets the IRIG bit jitter specification.

Operation of a Simple Dejittering System    The block diagram, Figure 5, indicates the
essential features of a typical bit dejittering system used in several BWC recorders.

A crystal oscillator, either within the recorder or provided from an external source,
provides an accurate reference clock which is fed into the block labeled Storage Control
Logic. Another clock signal, derived from the tape signal, is played back into the Storage
Control Logic.

As indicated on the diagram, these two clocks are processed and used to furnish a servo
reference frequency, derived from the crystal clock, and a servo feedback frequency,
derived from the tape-recorded clock. These two frequencies are then compared in the
phase-lock servo control system used to control the speed of the machine in its reproduce
mode.

The solid line marked “Tape Data” on Figure 5 indicates how digital data recorded on a
single track is fed into a Storage Network. Several control signals from the Storage
Control Logic are applied to the Storage Network in such a way that as the raw non-
dejittered data comes in, it starts filling a buffer register under control of an inputting
clock (derived from the tape clock) which shifts in one data bit at a time. On the opposite
side of the buffer, an outputting clock, derived from the reference clock, shifts out the
data which is now dejittered, coming out in a serial bit train having no more bit jitter than
the jitter in the crystal clock.

If the bit from the tape which was most recently stored in the register is called the
“newest bit”, the “oldest bit” in the register is always shifted out by the outputting clock.
Thus the outputting clock shifts the data bits out of the data register in exactly the same
order as they have been fed into the Storage Network from the tape. The buffer register
included in the Storage Network is of fixed capacity. Data content of this register is
variable with time but is never less than 25 percent or more than 75 percent -- to prevent
“underflowing” or overflowing.

The outputting clock faithfully retrieves the digital pattern from the tape as long as the
buffer register does not overflow or run out of data bits. Since the outputting clock is
fixed and crystal controlled, the inputting clock frequency must adjust to assure the
proper register content.

The inputting clock has been recorded simultaneously with the data. Therefore the
required adjustment of the frequency of the inputting clock is made by properly



establishing the tape speed. This speed, as has been described in the section on design of
the BWC direct-drive transports, is adjusted by varying the rotational speed of the
capstan which is directly driven by a pancake d-c motor.

Now the interrelationship of the dejittering system and the servo system becomes even
more apparent, in that the phase-lock servo electronics which establish the motor speed
are designed, working in conjunction with the Storage Control Logic, to detect the data
content of the buffer register and, by regulating tape speed, to maintain this data content
at a nominal 50 percent.

From the standpoint of the flutter spectrum generated on the tape by the transport
mechanism, corrections are made to accommodate data rate variations and bit jitter in the
following manner:

a.  For flutter frequencies outside the bandwidth of the closed loop servo system, the
buffer register in the Storage Network has ample capacity to absorb all bit jitter.

b.  For lower flutter frequencies, particularly those due to changing loads on the transport
resulting in changing tape speeds, the servo electronics can make the appropriate
adjustment since this servo will vary motor input from almost zero to full power if
necessary.

Several factors contribute to the decision as to how many data bits of storage must be
provided in the buffer register. These factors include required data rate; transport flutter
worst case, considering the environments in which the transport must operate; maximum
TDE due to flutter; ease of implementation; and design margin considered appropriate
for the application.

A Larger Dejittering System    The dotted lines in Figure 5 indicate how the single-
track dejittering system just described may readily be expanded to handle simultaneous
dejittering of many tracks of digital input data recorded in parallel. If there are n tracks
of input data, then these may be handled by using n Storage Networks as the diagram
shows. The mechanization for multiple track dejittering is essentially the same as for a
single track.

After all data from the n tracks has been dejittered, the crystal-clocked outputs are
usually Ted into a parallel-to-serial converter. This is essentially a shift register out of
which the data is fed to the telemetry transmitter.

A parallel to serial converter must be afforded parallel data on demand to produce
coherent serial data. The serial clock used by the converter is divided there by n, the 



number of parallel channels, and supplied to the dejittering system for the reference
clock. The dejittering system in turn supplies tape data precisely on demand as required.

As to the design margin provided by BWC engineers in designing the buffer registers for
various recorder-reproducers containing bit dejittering, one early model which has been
flown successfully on several space vehicles and has returned useful data each time
contains a storage capacity corresponding to about 1.1 bits of storage per kbs of output
data. This amount of storage capacity even under the most severe environmental
conditions encountered by this particular recorder has proved to provide about an 8:1
margin of safety. Hence in a more recent design, there is about 0.5 bit of buffer storage
per kbs of output data, which offers a 4:1 design margin under similar environmental
conditions. If the environment were much worse, resulting in even more flutter, then
greater storage capacity would be required.

It should be pointed out again that in the case of the larger dejittering systems, just as
with the single-track system previously described, the data may be clocked out of the
final stage -- the parallel-to-serial converter -- by means of an external reference clock
just as readily as by means of a crystal clock built into the recorder. This feature can
prove useful in certain systems where a master clock is available and required for
performing many synchronizing functions in a complex flight system.

An Alternative To Tape Speed Control    There are some cases where the best choice
is to remove the capstan servo from participation in the dejittering system. For instance,
in digital delay applications for re-entry vehicles, where simultaneous record and
reproduce takes place, the tape speed control must be independent of the signal from the
tape. If the tape signal is used to control speed, the servo system is inherently unstable.

In these instances, it is possible to restructure the dejittering system and make the tape
speed control independent of tape signal. Proper data content of the dejittering storage
network is now controlled without using the capstan servo to vary the tape speed; tape
speed is maintained as constant as possible, but usually indirectly, by controlling motor
speed.

The dejittering effect is implemented by modulating the data outputting clock frequency.
The modulation of this clock frequency allows the transmission of tape flutter; but the
tape flutter and attendant bit jitter can be arbitrarily attenuated.

Figure 6 shows how the crystal-controlled system is modified. The phase lock tape speed
servo is replaced by a phase -lock oscillator; this oscillator output replaces the crystal
oscillator reference clock. No other change is made to the system.



Output data bits are clocked out of the storage network by the phase-lock oscillator
frequency acting through the storage control logic. Input data bits from the tape are
clocked into storage by the tape derived inputting clock as before. The Storage Control
Logic and storage network are not changed.

Attenuation of the flutter from the tape transport results from the tracking rate limitations
of the phase-lock oscillator. The oscillator effects a low-pass characteristic,
discriminating against high frequency flutter components.

When viewed as a servo mechanism, the phase-lock oscillator has a second-order low
pass closed-loop response characteristic with critical damping and a final rolloff of 40 db
per decade. The amount of transport flutter transmitted is governed by the spectrum of
the flutter, and the bandwidth of the phase-lock oscillator.

The bandwidth of the phase-lock oscillator can be set arbitrarily low. As a result, the
transmitted flutter can be reduced as required to meet applicable bit jitter specifications.
The bandwidth setting can be determined by calculations based on the applicable bit
jitter specifications, the bit rate, the flutter spectrum produced by the tape transport in the
applicable environment, and the desired bit jitter design margin.

Once the bandwidth has been set, the amount of time displacement error (TDE) to be
accommodated by the storage network can be determined, and the amount of required
data storage ascertained.

Some Applications Of Bit Dejittering    Both the crystal oscillator controlled and the
phase-lock dejittering systems have been implemented in flight hardware by BWC. Some
examples follow.

The Model R-150 was the first application of crystal oscillator control. Five channels of
data from each of five tape tracks are simultaneously dejittered. Data is outputted after
serialization at slightly less than 150 kb/sec. Bit jitter is immeasurable by conventional
techniques.

More recently the model R-310 was fitted with crystal oscillator controlled bit
dejittering. The techniques of implementing the system were updated to take advantage
of the advances in integrated circuit technology. Jitter-free data Ls reproduced at about
70 kb/sec.

Phase-lock dejittering systems have been utilized in two high environment re-entry loop-
delay recorder/reproducers, Models R-314 and R-318. The Model R-314 has a phase-
lock bandwidth of 5 Hz, and sharply attenuates transport flutter since virtually all flutter
components are well above the 5 Hz limit. The result is data at about 250 kb/sec which



exhibits less than ±400 nanosecond jitter at the 150th bit. The Model R-318 has a wider
phase-lock bandwidth, having been tailored to a less stringent specification, and
although substantial flutter is transmitted, it performs well within the design
specification.

Figure 1 MICRO-LOOP TAPE DRIVE

Tape Path and Transport Diagram
Figure 2



Figure 3     Capstan Motor Housing

Figure 4 Reel Motor Brake and Hub Assembly



FIGURE 5 SINGLE OR MULTI-CHANNEL BIT DEJITTERING SYSTEM

FIGURE 6  SINGLE OR MULTI-CHANNEL PHASE-LOCK BIT
DEJITTERING SYSTEM



1 This work was performed under the auspices of the U.S. Atomic Energy Commission.

RF TELEMETRY FROM A HIGH SPEED SUBTERRAIN1
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Summary    The telemetry of the deceleration loading upon a vehicle which deeply
penetrates the earth at high speeds is described. The technique consists of using a single-
channel, narrow-band FM transmitter to drive a magnetic dipole so that RF
communication with above-ground receivers is provided. A 260-kHz, 340-watt system
with a 2-kHz bandwidth is described along with design considerations. The reduction of
the conductivity along the signal path by the penetration tunnel with consequent signal
enhancement is discussed.

Prolegomena    The study of the dynamics of high-speed penetration of the earth by
large vehicles has become so extensive that a particular word, “terradynamics, “ has been
invented to describe it. Three methods have been used so far to telemeter information
from the terradynamic research vehicle or “TRV. “ The technique which has been used
most often requires the deployment of a parachute containing the TM transmitter prior to
impact, and TM signals are sent up a signal cable from the TRV to the transmitter [1].
The difficulty with this method is damage to the signal cable upon impact or passage
through the earth. A. second method, which stores the data on board but which also
requires recovery of the vehicle, has been described at the 1966 ITC [2]. The third
method, described in this paper, is to communicate the TM data via an RF link through
the ground.

Performance Goals    Operation of the system at depths of 50 feet or more in soil with a
conductivity as great as 20 millimhos/meter was selected as a goal because it would
allow operation in a large number of soil types and even quite a few freshwater lakes.
Deceleration loads of up to 3000 G’s with a rise time of a millisecond and a duration of
100 milliseconds were anticipated, and it is important to remember that the system would
be required to operate within, and not merely survive, the dynamic environment. Proper
performance at a temperature of -40EF was required so that the unit could be carried
externally at altitudes of up to 24,000 feet during delivery maneuvers. A typical TRV is
shown in Fig. 1. The vehicle is about 12 feet long by 9 inches OD and weighs about
1100 pounds. Any sort of trailing wire antenna was excluded by the necessity to
guarantee antenna reliability, so a magnetic dipole was chosen and the radome can be



seen protruding from the vehicle tail. The attenuation of the signal by passage through
the earth dictated some form of angle modulation.

Design Considerations    The radiation resistance of a coil with area A and radius b
within a spherical radome of radius a immersed in a medium of conductivity a- has been
derived by Wait [3] as follows:

(1)

The ratio of (b/a) should be close to unity to make the small value of Rrad as large as
possible; the ratio (b/a) was 0.915 in the TRV’s. Kraichmann [4] has derived the amount
by which the coil inductance is decreased by the surrounding medium with this result:

(2)

A single-layer, N-turn, spherical coil was used, for reasons to be explained later, and its
area is given by

(3)

The radiation resistance and inductance of a spherical coil in air are given by Wheeler
[5] as follows:

(4a, b)

The magnitude of the field strength in air due to a magnetic dipole buried in the earth
with the dipole axis parallel to the earth-air interface is given by Moore and Blair [6] as
follows:

(5)

where E = vertically polarized field strength, rms volts/meter;
I = antenna current, amperes rms;
Z = depth of burial of antenna, meters;
D = numerical separation distance = 2 B x distance/ wavelength and D # 1;
N = azimuth angle between the dipole axis and field point.

Experiments were carried out at Lake Mead, Nevada (F = 116 , and Lake Roosevelt,
Washington (F = 14), to examine Eq. 5, and the behavior of the field with respect to



depth, range, and azimuth angle were verified but the predicted magnitude was found to
be conservative by about 3 to 5 db [7].

Three quantities in Eq. 5–the operating frequency, antenna size, and current–could be
chosen, although not independently and not without compromise, and the soil
conductivity and noise environment could only be measured. It was obvious from Eq. 5
that the largest possible AIproduct or dipole moment should be used to maximize the
field strength. The antenna current was ultimately limited both by solid-state amplifier
technology at the operating frequency and by primary power requirements. The antenna
area was limited not only by the vehicle OD but also by thermal considerations which
influenced the spacing of turns, and the need to provide a terminal impedance and Q of
practical values. The choice of frequency affected all of the preceding considerations and
also was influenced by the noise environment, the bandwidth requirements, and the need
for a clear frequency allocation. An optimum frequency, in the sense of making the field
strength a maximum, can be derived from Eq. 5 with this result:

(6)

This result was of little help because neither F nor Z could be accurately known in
advance. Moreover fopt varies rapidly with Z for an assumed value of F , viz: 219 # fopt #
260 kHz for 50 # Z # 46 feet. A frequency of 260 kHz was finally chosen, all things
considered.

The most frequently used testing area for TRV’s is the Main Lake Target at the Tonopah
Test Range operated by Sandia Laboratory for the AEC near Tonopah, Nevada. The
noise environment was measured there in 10-kHz bandwidths over a wide frequency
range, and it appeared that 100 Fv/m of noise, which included a conservative safety
factor, would have to be anticipated. The soil conductivity was measured at a number of
places throughout the target zone at several different times throughout the duration of
testing and before and after each drop by the four-electrode method [8]. Figure 2 shows
some typical conductivity profiles made 18 months apart at different sites and
demonstrates that the conductivity is fairly uniform over the target area. As a
conservative matter a conductivity of 20 millimhos/meter, a value near the largest value,
was used at the outset, and the decrease of conductivity with the depth was ignored.
Actual profiles were used in later computations to estimate the magnitude of the
“penetration effect,” which will be discussed later.

Wheeler [5] has shown that, for a given coil with a particular effective area and
inductance, a spherical coil with the same area and inductance can be found whose
diameter will always be less than the maximum dimension of the given coil. This fact,
together with the circular cross section of the vehicle, invited a side-by-side comparison



between spherical and cylindrical coils immersed in a conducting half-space. The
experiment was carried out in conjunction with the experimental investigation of Eq. 5
with the result that the spherical coil was found to have at least a 1.5 db advantage. The
coil, as finally fabricated [9], consisted of 33-3/4 turns of #20 AWG wire laid upon an
8-inch sphere of 20-pound polyurethane foam and had an inductance of 100 Fh and a
resistance of 1.64 ohms at 260 kHz. The Q at 260 kHz was 100 and the effective area
was 0.73 square meters. The radiation resistance of the coil in air and in soil of moderate
conductivity (20 millimhos/meter) was 9 x 10-9 ohms and 2.2 x 10-2 ohms, respectively.
The decrease in inductance due to the soil, computed from Eq. 2, was 0.4 x 10-12 hy, a
negligible quantity.

The directivity of Eq. 5 required that an array of receiving antennas be placed around the
drop zone and spaced far enough apart so that the TRV would impact within the array.
The array geometry was a pentagon with a receiver located at each corner and one
receiver in the center, as shown in Fig. 3. Each receiver had a 12-foot whip antenna built
into its top so that, for an expected penetration depth, each receiver would cover a
circular area determined by the maximum predicted range at which a signal of 100 Fv/m
could be received. The coverage circles of the outer receivers were made tangent as
shown in Fig. 3, and the coverage of the center receiver slightly overlapped that of the
outer receivers. The non-redundant coverage of the area of a circle which circumscribed
the circles of coverage was 0.77. It now remained to compute the radius of a circle of
coverage from Eq. 5. Fig. 4 shows horizontal range versus penetration depth with
conductivity as a parameter for a field strength of 100 Fv/m. A penetration of 50 feet in
F = 20 soil would permit a radius of 200 feet for example.

The TM Package    Fig. 5 is an assembly photograph of the major components showing
their arrangement from front to rear of the unit, and Fig. 6 is a schematic block diagram
of the package, whose total weight was 98.5 pounds. The frequency response of the
single-channel FM system, including both the transmitter and receivers, was 2 kHz with
a peak deviation of 3 kHz.

Two thermal batteries were used to supply almost all of the 434 watts required by the
power amplifier. The batteries were mounted transversely to the vehicle axis (a position
determined by shock testing) within a massive aluminum cylinder which served both as a
heat sink and as a structural support for the rest of the package. Flutes were provided to
convey the air from the crushing honeycomb into the large air cavity forward of the
battery pack. A phenolic annular ring was used as a spacer to provide clearance above
the rear end of the battery pack for components located there, and had air channels which
lined up with the flutes on the battery pack. The honeycomb, the next component to the
rear, was not necessarily required to mitigate the shock pulse to the transmitter package, 



but was inserted when axial length became available due to a more compact transmitter
design after the overall mechanical layout was fixed.

The transmitter package was potted throughout in 20-pound polyurethane foam. It
contained the signal conditioning amplifier, the 260-kHz voltage-controlled oscillator
(VCO), and the power amplifier. The two 28-volt, button-cell batteries were mounted on
the aft end. The signal conditioning amplifier provided the supply voltage to the
accelerometer bridge and amplified the bridge output. The 260-kHz VCO’s, made
especially for this program by Teledynamics, Inc., were adjustment-free, potted to
withstand a high G loading, and had a drift of not more than ±125 Hz over the
temperature range from -40 to 65EC. The frequency of the VCO was adjusted for
maximum efficiency of the power amplifier. The solid-state power amplifier delivered
about 344 watts into the antenna with an overall conversion efficiency of about 79
percent, which was obtained by using a push-pull class-D output. The amplifier, custom-
made for this program by the Continental Electronics Company, was tested for rated
output and proper turn-on in a cold chamber and was extensively shock-tested. The
deviation was limited to 3 kHz by the fact that a high-Q antenna was used. Moreover,
tuned class-D amplifiers suffer from a hysteresis effect when they are operated above the
resonant frequency of the output network; consequently the deviation had to be in the
direction of decreasing carrier frequency. In the case of a deceleration pulse, which is
almost always one-sided, the FM spectrum has been shown to be one-sided in the
direction of the carrier deviation [10].

The antenna was described earlier, but the uniform interior field of the spherical coil
permitted the mounting of the final tuning capacitor inside the antenna so that there was
no coupling between the antenna field and the capacitor current. Fig. 7 is a cutaway view
of the antenna and shows the mounting arrangements which also provided shock
mitigation to the capacitor. Crushing of the antenna foam by the capacitor was the factor
which eventually limited antenna life, because the antennas were not damaged by
passage into the earth.

In a typical operation conductivity profiles were obtained at several places throughout
the impact zone and the receivers were deployed. The output of each receiver, consisting
of the FM spectrum down-converted to 70 kHz together with a signal level indication,
was cabled to a magnetic tape recorder. A few minutes before release the signal
conditioning amplifier and VCO were supplied with power from internal batteries in
order to stabilize them. A delay switch activated the thermal batteries after release with a
delay chosen according to release height and speed so that the unit would be completely
operating at least 5 seconds before ,impact. After impact several conductivity profiles
were obtained through-out an area which included the hole of entry.



Tunnel Effect    The most interesting effect observed in testing, apart from
terradynamics data, was the enhancement of field strength by the penetration tunnel.
Eq. 5 was derived upon the assumption of a homogeneous conducting half-space which
was undisturbed except for the presence of the antenna. The path of least attenuation is
the vertical path from the antenna to the surface. In a soil drop the conductivity of this
path is greatly reduced by the air voids left in the collapsing penetration tunnel, and the
field strength is enhanced. Moreover, the collapse of the tunnel depends upon the media
and may take considerable time, during which a virtually unobstructed air path to the
surface is available. Measurement of the penetration depth and the distance from the hole
of entry to each receiver together with the signal strength made it possible to solve Eq. 5
for the effective conductivity, which was usually about half the conductivity measured at
the penetration depth. Fig. 4 shows that when conductivity is halved, from 20 to 10, for
example, the horizontal range may be increased from 200 to 290 feet when a depth of 50
feet is anticipated. Alternatively, the size of the receiver array may be based on the larger
conductivity value, and the benefit of excess signal strength may be secured. Field
strengths computed from Eq. 5 using conductivity profiles rather than average
conductivity values were not great enough to explain the observed signal strengths.

Conclusion    Telemetering from a subterrain via an RF link through the earth has been
found to be a practical method which is particularly suitable when the vehicle is
unrecoverable. Soil conductivity and background noise level ultimately limit the system
because the primary power requirement may become excessive, and the number of
receivers required to cover a target area of practical size may become too large. The
enhancement of signal strength by the tunnel effect should be investigated with respect
to water entries, where the cavitation path may provide a similar benefit. Multiple
channel information from a very deep subterrain could be obtained by an on-board
memory which plays back through an RF link via the penetration tunnel after the vehicle
comes to rest; this technique also remains to be investigated.
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Fig. 1. - A terradynamics Research Vehicle



Fig. 2. - Soil Conductivity in the Target Zone
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Summary    A review of the state of knowledge of digital FM techniques is undertaken.
The digital FM signal and its spectral properties are first discussed. We then turn to the
analysis of discrimination detection and review a recently proposed phenomenological
model from which the error causing mechanism can be understood. We use this model to
derive estimates of error-rate as a function of pertinent system parameters. The results
obtained for practically instrumented systems are then compared with the ideal. The
paper concludes with a discussion of some computer-aided analysis capable of predicting
the performance of digital FM systems operating over the dispersive gaussian channel.

Introduction    Frequency modulation (FM) techniques are widely used in telemetering
systems and other data communications systems. Noncoherent digital FM techniques
have particularly great appeal because of instrumentation advantages over other systems.
The instrumentation advantages derive principally due to the noncoherent nature of the
modulation process and the relative ease of signal generation. The various demodulators
operate directly on the received signal-plus-noise and detection is achieved without the
need to recover carrier phase as is usually done in linear modulation systems such as
single or vestigial-sideband AM. However if optimum efficiency in data rate per unit
bandwidth is desired, FM clearly is not the best technique. This is because FM is
basically a double-sideband process requiring both upper and lower sidebands for
efficient detection. We remark however that single-sideband FM has been
investigated(1),(2) in the literature but the 3 dB saving in bandwidth promised theoretically
cannot generally be realized in practice.

When bandwidth utilization is not the major consideration, FM does provide excellent
performance with minimum equipment complexity. FM techniques are also immune, to
some degree, to certain transmission medium impairments such as frequency and phase
shifts and some types of nonlinearities. Moreover, since only the frequency of a sinusoid
is modulated, the amplitude and consequently the power level of the modulated signal is
constant. These attributes make FM well suited in applications where the peak power
must be limited and independent of-the modulating signal.



In this paper we undertake to review the state of knowledge concerning performance of
FM systems. We begin by discussing the digital FM signal and its spectral properties.
We then turn to the analysis of discrimination detection and review a recently proposed
phenomenological model from which the error causing mechanism can readily be
understood. We use this model to derive error-rate vs signal-to-noise ratio formulas
when signaling takes place over the additive gaussian channel. We then compare the
attainable performance of practically instrumented systems with the best possible
theoretical performance. We conclude the paper by reviewing some computer-aided
analysis capable of predicting the performance of digital FM systems operating over the
dispersive gaussian channel.

The Digital FM Signal and Spectral Properties    A continuous-phase constant-
envelope FM signal is customarily generated by varying the quiescent frequency of an
oscillator in accordance with an information-carrying signal. These oscillators are
commonly referred to as voltage-controlled oscillators (VCO). If we let x(t) represent the
baseband information-carrying signal and To the quiescent radian frequency of the
oscillator, the output signal from the VCO may ideally be represented by

(1)

where A is the amplitude of the oscillator and N is an initial phase angle. The constant Td 
is a conversion factor relating radians to units of x(t).

In this paper we shall be primarily concerned with digital FM waves and therefore we
assume for the purposes of this discussion that x(t) can be represented by

(2)

where (an) is a sequence of integers picked at random. The pulse g(t) satisfies

(3)

where 1/T is the baud (signaling rate). When the representation of the baseband signal as
indicated in Eq. 2 is used in Eq. 1 we see that the wave y(t) is a frequency-shift-keyed
(FSK) signal. The frequency in each T-interval is Td an + Tc . For example if an = ± 1, for
all n, we have a binary FSK wave having two possible frequencies Tc ± Td in each
T-interval.



2 See references (3), and (4) for bibliography.

Of course it is possible to generate an FSK wave without regard to phase continuity as is
implied in Eq. 1. This may be accomplished by having many oscillators tuned to the
various desired frequencies and then switching their outputs in accordance with the
information source. This method gives rise to undesirable switching transients in
addition to complicating the transmitter and therefore is rarely used in practice
particularly when the number of frequencies is large.

Spectral properties of digital FM signals have been extensively studied in the literature2.
The general problem of understanding the relationship between baseband spectra and
angle-modulated spectra is an old one and is hampered by the nonlinear relationships
involved. However when the modulation is digital exact formulas for the spectral density
of an FM wave are available. As would be expected because of the nonlinear nature of
the modulation, FM techniques generally alter the baseband spectral shaping and can
spread the bandwidth for some choice of modulation parameters. This provides the
designer with the flexibility of generating large time-bandwidth product signals on one
hand and on the other hand, bandwidths of the same order as double-sideband (DSB)
AM can also be achieved. Since constant-envelope FM waves are generally not strictly
band limited, we must adopt a practical definition of bandwidth. For instance we may
regard the frequency band outside of which the intensity of the spectrum is below some
arbitrarily small fraction of its peak as a practical measure of bandwidth.

For a baseband signal having L possible levels, the data symbols can be expressed as

(4)

for all n (L is assumed to be even).

It can be shown that the normalized spectral density of the wave 1 is given by



is the characteristic function of the random variable a evaluated at  TdT.

By analyzing formula (5) it can be seen that the shape of the spectrum critically depends
on the single parameter Td T. When the magnitude of the characteristic function Ca(x)
evaluated at x = TdT is unity the spectrum contains discrete lines (delta functions)
occurring at                       for all n with minimum spacing equal to the baud. Reference
(4) shows various, plots of the spectral density versus normalized frequency                      
                           for different values of TdT and L - the number of levels. For instance in
the binary case when TdT = B/2 the spectrum exhibits a very smooth roll-off with a
center peak occurring at the carrier frequency. For this case the intensity is sufficiently
low at 3/4 the data rate on either side of the carrier. Thus it is possible to conclude that
for this choice of the parameter TdT, a bandwidth of approximately 1.5 times the data
rate is necessary to achieve reasonable performances. This in fact is born out
experimentally(5). From the curves given in Reference (4) it can also be seen that as TdT is
increased to approximately 0.65B, the spectrum becomes approximately rectangular.
Also as TdT approaches B the curve is smooth again but of greater spread and contains
delta functions in addition to the continuous pectrum. As we shall see the performance of
digital FM systems is critically dependent on the choice of the parameter TdT.

Discrimination Detection of Digital FM    A block diagram of a digital FM system is
shown in Figure 1. The data source emits a sequence of multilevel symbols {an} which
we shall assume are independent of each other and assume the different integers with
equal probability. As was discussed in the previous section, the VCO generates a signal
specified by Eq. 1. In practical situations, a transmitting filter is provided whose function 

+The symbol <·> denotes the ensemble average



it is to restrict the energy in the frequency-modulated wave to a range of frequencies
passed by the medium, (we shall assume throughout this discussion that the transmission
medium is a time invariant linear filter). It is therefore convenient to combine the
medium characteristics with those of the transmitting filter into a single composite
network function determining the signal presented to the receiving bandpass filter in the
absence of noise.

The receiving bandpass filter is included and its function is to exclude out-of-band noise.
It can also serve to shape the signal waveform and may include compensation for linear
in-band distortion suffered in transmission. Usually two contradictory attributes are
sought in the filter - a narrow band to reject noise and a wide band to supply a good
signal wave to the detector. An opportunity for an optimum design thus exists.(6)

The frequency detector is assumed to differentiate the phase with respect to time. The
post-detection filter can perform further noise rejection and shaping in the baseband
range. We shall assume that the post-detection filter is matched to the baseband pulse
g(t). In order to obtain estimates of the symbol sequence {an}, the output of the filter is
periodically sampled. We thus must postulate that the receiver has independent timing
information.

The noise-free input to the detector will be written in the form

(6)

where P(t) and Q(t) represent in-phase and quadrature signal modulation components
respectively. Such a resolution can always be made, even though the details in actual
examples may be burdensome. The added noise at the detector input is assumed to be
gaussian distributed with zero mean and can likewise be represented as

(7)

where x(t) and y(t) are independent baseband gaussian noise waves.

Let the input signal-plus noise to the limiter be

(8)

where



and

(We have set the constant angle 2 to zero without loss of generality). With these
representations the output of the discriminator is taken to be

(9)

where the dots over x' and y' denote differentiation with respect to time. The post-
detection matched filter acts on the quantity 9 and the sampled output of the matched
filter is

(10)

The observable q' contains the desired information and its statistical behaviour is
analyzed in the next section.

The Click Theory    Recently S. O. Rice (7) and previously J. Cohn (8) attacked the old
threshold problem fn FM receivers by using the notion of “clicks”. It has been observed
that when the noise at the input of an FM receiver is increased beyond some value, the
receiver “breaks”, that is, for a given (S/N) at the input, a much poorer (S/N) at the
output is measured than would be predicted from a linearized analysis of the receiver.
Before the breaking point, clicks are heard in the output of an audio receiver. As the
input noise is further increased, the clicks merge into a sputtering sound. Rice’s approach
is to relate this breaking point to the expected number of clicks per second at the output
due to the added noise at the input.

While in analog applications the criterion of (S/N) transfer is satisfactory, in digital data
transmission it does not by itself furnish an adequate performance criterion. Usually
performance is judged in terms of error rates which cannot be predicted from the (S/N)
for nonlinear receivers. The error rate clearly depends on the statistical distribution of the
output noise. In good systems, the errors are very infrequent and are associated with rare
peak noise conditions. The statistical structure of the occurrence of infrequent noise
peaks and the manner in which they cause errors in FM receivers will be our main
concern here.

In the past several years a theory, based on the notion of “clicks” has been
advanced(9),(10),(11) from which the performance of digital FM detectors with arbitrary
processing gain can be predicted. In order to facilitate analysis and to gain physical



insight we assume that the medium has perfect transmission at all frequencies and the
transmitting and receiving filters are inverses to one another. Because of these
assumptions it is possible by use of rotating coordinates to write Eq. 10 as

(11)

where y(t) is now a zero mean quadrature gaussian noise process, while x(t) is an in-
phase noise process with mean equal to the FM carrier amplitude A.

To exhibit the notion of “clicks” in digital FM reception we proceed formally with
Eq. 11 and define a quantity

(12)
and express q as a line integral

(13)

In (13) we have written dN = d(tan-1 y/x), but of course we do not mean that N is
evaluated using some fixed branch of tan-1 y/x since this would give N as a single valued
function of y and x and would not allow for the fact that as we circle once about the
origin in the xy-plane N is increased by 2B. The noise processes y(t) and x(t) wander
about the xy-plane (see Figure 2), usually staying close to their mean values but
occasionally taking large excursions and encircling the origin. Each infinitesimal portion
of the path contributes an amount d N to the output and all these small amounts from all
the small portions of the path must be added together to form the total contribution q. It
is easy to see that q depends on the path taken, not just on its endpoints. A simple
mathematical reason for this is that the transformation (12) is undefined possibility exists
of stopping the process immediately after we have crossed over to the left-half plane. We
will show later that for large signal-to-noise ratios, these end-effects may be neglected
because they occur with a probability that is asymptotically negligible compared with the
probability of a click.

An important fact to observe before proceeding with the analysis is that q can be
decomposed into the sum of three random variables. The first two random variables
appearing in (15) are continuous and bounded. Their probability densities are related to
the elementary statistics of x(t) and y(t). The third random variable is a discrete one,
whose probabilities are determined from the probabilities of zero-crossings of x(t) and
y(t).



The remarks made thus far about the effect of noise on FM reception have been general;
no assumptions have been made about the statistical nature of the additive disturbance.
In order to obtain quantitative results some definite assumptions are necessary. We thus
set ourselves the task of studying the structure of the probability distribution of q when
the input noise statistics are those of a gaussian process having a symmetric Spectral
density about the carrier. From these distributions we determine the error rates as a
function of the pertinent system parameters. We shall make no attempt to derive an exact
probability density for the random variable q. This is not a mathematically tractable
problem since it requires knowledge of the probability distribution of zero-crossings of
random processes. This by itself has been an area of investigation for many years without
too much success. The probability distribution of the zero-crossings of most elementary
random processes is not currently known.

In order to permit an analysis of the model two assumptions are made, both of which are
quite reasonable. These two assumptions taken together state that the three random
variables that determine q via (15) are all independent. This statement is separated into
two assumptions because their individual justification stems from two different physical
arguments, one having to do with bandwidth and the other with signal-to-noise ratio. The
first assumption states that tan-1 r(T) and tan-1 r(0) are independent. For flat gaussian
noise input this will be a good approximation if T >= 1/W, where W is the input noise
bandwidth. Since T is also the signaling interval, and the correlation function of the
input noise has its first zero at J ~ 1/W, the motivation for this assumption is clear. The
second assumption, somewhat harder to justify, states that n(T) is independent of the
previous two random variables and the clicks, which comprise n(T), are independent,
from one another. This is clearly an assumption expressing an intuitive feeling that the
clicks occur rarely and of sufficiently short duration. In general, they will be rare if the
Signal-to-noise ratio is large, and short if the bandwidth satisfies W >

= 1/T as required
above.

These two assumptions plus the identification of crossings of the negative x-axis by the
moving point in the xy-plane (as calculated by Rice) with the occurrence of a click shall
constitute the model for the error mechanism.

The Basic Probability Distributions    In order to enable the calculation of error rates
we collect and summarize several basic formulas which may be deduced from the click
theory.

We begin by observing that if y is a zero mean gaussian variable with whenever x(t) = 0.
Further, the paths taken in the xy-plane are random, and q is therefore, a random variable
with some probability density related to the statistics of r(t). Unfortunately, this
probability density is not determined solely by the elementary statistics of r(t). As will be



seen, in addition to the elementary statistics of r(t) the distribution of its singularities on
the time axis enters the picture. The singularities of r(t) are determined by the zero-
crossings of x(t). Thus, the behaviour of FM receivers is intimately related to the
structure of the zero crossings of the added noise.

To see how to handle the situation, visualize the following hypothetical state of affairs.
Suppose for 0 # t # T we have that y(t) > 0, and the x(t) is positive for awhile, decreases
once through zero at t = to, and then remains negative. A possible plot of r(t) versus t
over this time interval is then shown in Figure 3. For this particular path one has

(14)

In (14) the straightforward interpretation of the integrals is meant. Evaluating the infinite
one obtains for this path

where tan-1 x means the principal value inverse tangent function, *tan-1 x*#B/2. In
general, one has the result that

(15)

where tan-1 x again has the principal value interpretation and n(T) is an integer (which
may be positive, negative, or zero) and is related to the number of times x(t) vanishes in
the interval T and to the sign of y(t) when x(t) vanishes. For large signal-to-noise ratios it
is clear that if x(t) vanishes by going to zero from the positive side that it will almost
immediately be followed by another vanishing of x(t) in the other direction. If y(t) has
not changed, the contribution of the “return trip” to n(T) will cancel the contribution
from the previous crossing of the y-axis. On the other hand, if y(t) does change sign so as
to cause an encircling of the origin then the contribution to n(t) will be the same as the
previous crossing. The net contribution to n(T) of a number of paths is shown in
Figure 4. The paths which have )n = ± 2 are immediately recognized as the “clicks”
discussed by Rice. The “clicks” are not the only contribution to n(T) however. There is
also a contribution because of the fact that at t = 0, when our process begins, we may be
in the middle of a large noise fluctuation and be over in the left-half plane. Immediately
afterwards, at t = 0 +, we will experience a contribution of ± 1 to n(T); a similar situation



may prevail at time t = T, when a

where D = A2/2F2.

The probability PL of finding the signal point in the left half of the xy-plane is

(16b)

(17)

for *N * # B/2.

Suppose N1 and N2 are two independent anqles which have the density (17), and define
an angle M = N1 -N2 *M*<

= B. It will be of interest for us to determine the probability PN

that M exceeds some angle N > 0, i.e., we would like to determine

(18)

The asymptotic evaluation of (18) is carried out in detail in reference (11); we
distinguish three cases:‡

Case I;0 < N < B/2

(19a)

+ Recall that even though our x(t) and y(t) are not independent processes because the noise spectrum will not be

symmetrical about (To + an Td ), they are independent variables. 

‡ In (19) the symbol “~” is used to denote asymptotic equality; this has also been used in (16). Also (19a) and
(19c) do not hold if N gets too close to the end points of the appropriate interval. As a rough rule N should not be
closet than 1/%D radians to the end points.



Case II; < = B/2:

(19b)

Case III;  N > B/2:

(19c)

The most important characteristic of the result (19) is the dependence of the exponent on
angle, since for large p the nonexponential factors are relatively slowly varying.

The final item that we discuss in this section is the density of n(T), or rather we discuss
the density of that part of n(T) that arises from the clicks ()n = ± 2), ignoring )n = ± 1
contributions. For this we need only take over some ideas and formulas from Rice. We
have that (ignoring )n = ± 1)

(20)

where N(T) is the number of clicks that occur in time T. Following Rice, we assume that
all clicks are independent and that those tending to increase (decrease ) N by 2B form a
Poisson process with rate of occurrence N + (N-). In general, in the presence of
modulated signal, N+ and N! are not equal.  The probability density  D(z) of z = N(T) is
then given by 

as may be shown by forming the discrete convolution of the densities of the positive and
negative clicks. In (21) *(·) is the Dirac delta function and Ik(F) is the modified Bessel
function of integer order k, behaving for small F as

(22)

also



+ The case (Td = 0 corresponds to no modulation. Also, for ease of writing, we no longer
explicitly consider the factor ak.

The type of modulation that we are concerned with is when the instantaneous frequency
deviates by Td. from the carrier for a time T, T being the signal-average rates N+ and N!

when the noise at the receiver input is gaussian

and

(23)
where +

Thus, we see that for large D an ever greater majority of clicks occur in the negative
direction (ƒd > 0) and for our purposes of computing error rate, the clicks in the positive
direction may be neglected; i.e., we shall use

(25)

For ƒd < 0 the situation is reversed of course. We note that the effect of the clicks on a
modulated carrier is to tend to make the measured frequencies appear closer to the carrier



+ We confine ourselves to ƒd > 0. Exactly analogous consideration apply to ƒd < 0. The case ƒd =
0 occurs if an odd number of frequencies are allowed.

frequency than the transmitted frequencies. That is, confining oneself for the moment to
only errors caused by clicks, frequencies transmitted higher (lower) than the carrier will
be measured to be at that frequency or a lower (higher) one, when the noise is small.

Since we shall use approximation (25), the distribution (21) for z = N(T) may be
replaced by the simpler Poisson one, where the probability of getting exactly N
(negative) clicks in time T is given by+

(26)

Also the probability of getting M or more clicks is, for large signal-to-noise ratios,
approximately the probability of getting exactly M clicks.

Distribution of Output and Probability of Error     Eq. 16, 19, 25, and 26 provide the
information required to calculate the distribution of q, (Eq. 15). In principle we simply
convolve the continuous density of [tan-1 r(T) -tan-1 r(0)] with the discrete density of
n(T)B. In Figure 5, we give a qualitative sketch of the result, neglecting end effects. This
picture is intended to show that the density consists of a central lobe about the
transmitted frequency extending to ± B on each side, which is the density of [tan-1 r(T)
-tan-1 r(0)], plus identically shaped lobes displaced by intergral multiples of 2B toward
lower frequencies (ƒd > 0). These displaced lobes are weighted by the probability of
getting tge appropriate number of clicks to effect the displacement. Thus, the lobe
occupying the space -2nB±B is weighted by the probability of getting exactly n clicks in
time T. For n = 0 the weighting is essentially one, for large S/N. There are, strictly
speaking, similar lobes and weightings on the opposite side as well, but these weights
are, for large S/N, negligible compared to the corresponding lobe we have drawn. That is
to say, the first lobe on the right (not shown in Figure 5) has small probability compared
to the first lobe on the left, but has a large probability compared to the second lobe on the
left. Nevertheless, we have neglected to include it because we will generally be
concerned with probabilities like Pr [*q - ƒdT* > N], and thus corresponding weights are
important. We dwell on this point because it is conceivable that for some practical or
conceptual application the neglect would not be justified.

The discussion given above is still not quite complete it is modified when we
include end effects. The principal correction that inclusion of end effects will cause is to
add two more side lobes, one over the interval L-27r,01 and the other over the interval
[0,2Tr]. The weightings of these lobes certainly should not exceed the estimate given in
(16), and this will be enough to exclude them for our purposes.



+ Note the special sense in which the term is used here.

++ The Pe for a frequency at the end is one-half the expression (27).

We now apply our results to some typical calculations. Consider the case of narrow
band+ FM (defined by )ƒdT < B), where one has J equally spaced frequencies of
separation ƒ)d crowded into a bandwidth W. The probability of error for any one of the
frequencies++ (not situated at the ends) is the area outside of the interval bounded by
lines L2 and L3 in Figure 5. If L2 and L3 are defined by *q* then the probability of error
for such a frequency is from (19a).

(27)

where, if one assumes that the bandwidth W = J )ƒd one would take

(28)

(29)
But expression (29) is, asymptotically, exponentially small compared to (27). Likewise,
the area due to the side lobes caused by end effects is exponentially small, and the
probability of error for narrow-band FM is given by (27).

Next, consider the asymptotic evaluation ofe P for the case of orthogonal signals; this
case corresponds to ()Td)T = B, we assume that the thresholds are spaced midway
between the frequencies. Thus, (for a frequency not on the edges) we have that the error
probability is given by the area outside of that bounded between the lines L1 and L4. The
contribution from the major lobe is, from (19b),

In addition, the area of the first side lobe is asymptotically comparable to this and is

being weakly dependent on the frequency sent. In fact, for the nth signal (j = 2n) we have
for orthogonal signals that



The average error rate is then, for orthogonal signals (J of them, J even, and equally
spaced signals and thresholds),

(30)

Eq. 30 is indeed a surprising result. The first term of (30) is the probability of confusing
the transmitted frequency with one of its nearest neighbors. The second term is the
(average) probability of confusing it with its second nearest neighbor closest to the
carrier. This is because the area from (-B) to (-3 B/2) is, by application of (19b),
negligible compared to the area from (-3 B/2) to (-5 B/2). Thus, it states that for the
multilevel situations considered here (a not unreasonable one) it is to confuse it with a
particular one of its second nearest neighbors. We see from (30) that the error rate from
the continuous part of the output is comparable to the error rate caused by clicks.

For a final example, consider the wide-band situation where the signals are loosely
packed in the band; i.e., ()Td) T > B. Now no errors will be caused by the continuous
part of the output; only clicks will cause errors. If the frequencies are widely spaced a
single click may not cause an error; several clicks during the time interval T may be
required. Thus, suppose that the frequencies are spaced so that the phase differences of
nearest neighbors is ()Td) T = 2n B, n being any positive integer. The probability of
error will then be the probability of getting n (or more) clicks in time T, which from (25)
and (26) behaves as

(31)

The coefficient in (31) is at least as bad as for the orthogonal case, but the important item
is the exponent. Superficially at least it appears that we have gained in performance by
spacing the frequencies widely, since the exponential has changed from e-D from the
minimum orthogonal case ()Td-T = B. to e-nD. It must be realized, however, that here we
are talking about different D’s. The bandwidth for the case under consideration is
essentially 2n times the minimum orthogonal one and therefore, for the same signal
power, the nominal value of D has decreased by 2n, and one has in fact not gained a
factor of n in the exponent. In addition to the bandwidth penalty, error performance has
actually suffered too.



Comparison with Optimum    It is possible to demonstrate how the FM discriminator
compares with the ideal detector when used to detect orthogonal signals; i.e. when
)TdT = B. It is known that when optimum detection is used for any orthogonal set of
signals, the (exponential part of the) error rate behaves as exp [-E/No], where E is the
signal energy (assumed common to all J levels) and No/2 is the (two-sided) spectral
density of the noise. If we let S denote the average signal power, such that E = ST, and
estimate the total bandwidth W for large J by W ~ J/(2T), we see that the ideal exponent
becomes exp [-JD/2]. However, we had seen that, regardless of the number of levels, the
discriminator error rate )TdT = B. behaves as exp [-D]. Thus, we have lost a factor of J in
the error exponent by substituting discrimination detection for matched filter detection.

An important conclusion may immediately be drawn concerning the performance of
conventional FM receivers as detectors of orthogonal signals. Our results show that the
receiver is indeed inferior in performance when compared with the optimum. This fact
has been stated by Wozencraft and Jacobs (13) and the reasons are clear from this analysis.
The FM receiver admits too much noise at its front-end which cannot be cleaned by the
post-detection filter because of the nonlinear anomalies, namely the clicks. As a matter
of fact, the amount of noise grows in direct proportion to the number of orthogonal
signals, hence the inferior exponent. On the other hand, the optimum detector is
composed of a bank of matched filters. The noise power at the output of each filter does
not grow with the number of signals; it is a fixed constant determined by the bandwidth
of the filter, which roughly needs be no broader than the symbol rate, 1/T.

This poor performance of conventional FM receivers when used to detect data might be
remedie by employing an FM with feedback such as described in references (14) and (15).
The physical argument to support this contention is often stated as follows. In the
absence of the feedback loop, the IF filter must be wide enough to pass the total swing of
the incoming signal. However, since the feedback loop tracks the incoming frequency,
this IF filter, whose width determines the noise variance, could be narrowed and less
noise would be admitted.

This possibility of making use of FM with feedback to im rove the error rate in digital
systems has been suggested in reference (13). Unfortunately a mathematical treatment of
this difficult problem does not exist at present.

Signaling over the Gaussian Dispersive Medium    When a dispersive medium is
present between transmitter and receiver, error rate calculations become extremely
complicated and can only be carried out in certain special cases. Although the
mechanism of error production can still be explained in terms of the clicks, very few
quantitative results are available.(16) The difficulty arises because the signal-plus-noise is
subjected to a mixture of linear and nonlinear operations. The dispersive medium



introduces intersymbol interference in a very complicated manner affecting the rate at
which clicks are produced.

A major source of difficulty in the analysis of digital FM detection is the presence of the
post-detection filter. If one assumes that this filter is ideal, in the sense that it does not
perform significant baseband processing, the mathematical problems become tractable.
In many applications this assumption is valid. In particular it is a good one when the
modulated signal bandwidth is of the same order as that of the baseband signal. In these
applications exact formulas for the probability distribution of the instantaneous
frequency of signal-plus-noise are available in references (17) and (18). Even here the
use of these formulas becomes very tedious since it is necessary to make separate
calculations for every input symbol sequence. This often can only be accomplished with
the aid of a high speed digital computer. Only the binary case has been adequately treated
in the literature(19), (20), (21). Experimental results with multilevel FM operating over a
moderately dispersive medium have been reported on in the literature.(5) No adequate
theory however is at present available capable of handling situations where the post-
detection filter cannot be neglected.
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FIGURE 1 - FM DATA TRANSMISSION SYSTEM

FIGURE 2 - A POSSIBLE PATH IN THE XY-PLANE TRACED BY
THE NOISE FROM t=0 TO t=T



FIGURE 3 - A POSSIBLE SAMPLE FUNCTION OF r(t)

FIGURE 4 - NET CHANGES )n IN n(T) CAUSED BY SOME TYPICAL
PATHS IN THE XY-PLANE



FIGURE 5 - QUALITATIVE SKETCH OF THE PROBABILITY
DENSITY OF q



WIDEBAND PCM-FM BIT ERROR PROBABllITYυSING DISCRIMINATOR 0盯ECTION

By J. J. HAYES， C. H. CHEN ond W. J. KUBICKI 

Summary. - The expression for bit probability of PCM/FM is derived 
for a receiver with an IF bandwidth equal to or greater than the data rate， 
limiter -discriminator detection; followed by a post-detection filter with 
bandwidth equal to the data rate. The optimum deviation ratio is shown to 
be essentially constant regardless of the IF bandwidth-to-data rate ratio 
and system performance is shown to degrade when this ratio is greater 
than unity. pre-modulation filtering of the transmitted PCM data is 
shown to have a negligible effect on system performance. The system is 
experimentally tested and the analytical results are shown to good 
agreement with experimental data. 

Introduction. - The b10ck diagram of a typica1 PCM/FM telemetry 
system is shown in Figure 1 .  The premodu1ation filter is used to control 
radio frequency interference by 1imiting the radiated electromagnetic 
spectrum. The post-detection filter is used to improve the signal-to
noise ratio SNR at the input to the binary decision device. 

The objective of this paper is to derive and illustrate the decision device 
bit error probability Pe as a function of IF 

.
signal-to - noise ratio SNR1F 

and the ratio of IF bandwidth-to-data rate bo 1: 
Meyerhoff and Meyer 1 derived and illustrated Pe for discriminator 

detection of PCM/FM assuming the IF filter was gaussian and the modu-
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post detection filter. Similarly， Shaft" examined the case in which the 
modulating waveform was a binary square wave， but only for bo 1: 于 1.
ChenJ examined the same case as Shaft， but for bo1: ::1. Schilling"Z et. al. 
examined the case of digital signals demodulate� by a discriminator 

5 followed by a post-detection filter， and Klapper-' among others considered 
the ca:se in which the post-detection filter was an integrate and dump 
circuit. They both assumed that bo is chosen according t 0 Carson I s 
rule， i. e.， bo =2 (l + ß )/τand that at 10w error rate the errors 
caused by gaussian and spike noises can be ca1culated separately. 

In this paper Pe for discriminator detection is derived and experiment
ally tested for the general case of bo 1:三1. βOPT-and the effect of premod
u1ation filtering are a1so examined. 

Theoretical Analysis. - For a binary square waveform， and a Gaussian 
low pas s fi1ter';' with sampling �t peak signa1， the error probabi1ity due to 
the Gaussian noise is given by "Z 

已g去eyfc β7.E/No 可 ( 1) /﹒5/5 [eff(o.8J7boτ") -0.945色7: e- o.可以γ]
':' The assumption of Gaussian LPF makes the ana1ysis easier. This is a 
good approximation of the LPF used in the test. The latter is more rect
angu1ar and would result in better performance. 

lhe 0υ俏。呵 。re in Ihe Telemetry ond Instrumentotion Deportme川. AVCO Corp.-MSD. 



where ε/"'6 is the signa1 energy per bit to noise density ratio and β 
is the frequency deviation index defined as 

β;: Af 1:/2 (2) 
Here ðf is the frequency separation between the two possib1e transmitted 
frequencies. For 1arge bo 1:， (1) becomes， _. 

� I /Jð _ "'"/2 í_ ::: 一一;; )"， Iï.互吉吉、 e A 'e� -拉"jf' J戶戶弩豆 ._ 0管 ( 3) 
indepeI!d�nt of 

I 
boτ The error probability due to the spike noise is f令e - EJ;仇包含)

• ð <:叭"
， 0.734 � �三Mh令。7呻'" 31吉布了z_ \ � _ - E/{}/ol.•τ) 111'叭 ， r 他δτ�Tit' so，(言τj

\ 0 ， ß >4.24 
The spike noise p1ays a more important ro1e as bo t 
from(4). ASh_τ-+ 00 ， (4) become s 

(�f村 ，戶<: ð.734 巳� ! S;tI (要是) ，改73+至β至4.24

( 4) 
lncreases as seen 

- S L白 ，β>4.2.祥 (5)
which is 1ess than 0.5 for all β .  The tota1 error probabi1ity P e is 
obtaïned by adding (1) and (4) or (3) and (5)， 

Pe ::: Feg + PeS (6) 
Pe is p10tted in Fig. 2 for b。它 = 1 ， 2， 3，5 & 10 and β =  0.7 as a 
function of E/No﹒ It is remarked that (1) 1eads to an unreasonab1y small 
error rate when b6τ = 1 9-n sl � =0.7. However， the error rate of the 6，7 idea1 PCM/FM system u， I can be used since for 6(>τ= 1， with low pass 
filtering， the performance is very c10se to the idea1 syste口1. This error 
rate which is due to the Gaussian noise on1y is added the error rate due to 
the spike noise and the result is shown in Fig. 2. for b，。τ= 1. It was 
assumed in (1) that the binary square wave is filtered by a pre-modu1ation 
fi1ter with a one -sided bandwidth Bp capable of passing the first harmonic， 
viz. 2Bp= 1/1:. Pre -modu1ation filtering can reduce the spectral occupancy of 
the modu1ated signal. The best performance is expected， however， when 
there is no pre鴨modu1ation fi1ter. The binary square wave of peak 
amplitude 2V can be written in Fourier series， 

e�( t):::字[刮得t+is哼t+js哼t -+ • . .  ....J (7) 

If b。τ = 1. 5 the modu1ation signa1 energy is increased by a factor O. 5dB. 
Without pre-modu1ation filter， the increase in signa1 energy is 0.8 dB. By 
using a binary random sequence， nearly 90% of the signa1 energy is 
concentrated within a frequency equal to the bit rate， as compared with 
on1y 83% (see Eq. (7)) when a binary square waveform is used. 

The optimum deviation index can be obtained by setting �凡/a (!>呼. e. 
E ， 、 (I.�Z �可Z

τ-司 正 志bo't:: I I32日 p -2[erHo 蚓、吋州gpay(ωτJ式"i' � =J[叫(0.837Þ，凡。但S'�t e - 0 .7叫] t (8) 可from which p:�啊 can be computed for a given以 and E/也with say， 
β<: I '

.
' When E/No approache s infinity， and boτ . and �remain 

finite，山1eft side of (8) is upper bounded by主 ♂/(哼哼IA comparison of 
exponents V1T 



1eads to 戶OPT-=0.7l for kt主2. For bo't = 1 and E!No >> 1， ihe 
optimum deviation is c10se to that of the idea1 system i. e. βOPT. =0. 7 1  
since the spike noise contribution is negligilbly small. The bit error 
probability is plotted in Fig. 3 for boτ= 1，2，3， β ;:;; 0.7 and with low-pass 
filtering. 

Without low-pass filtering， the error probability at the optimum 
frequency deviation is shown in Appendix I as 

I _ . _ I o. "1 E '\ � = -:;- exp - ( 一一一.: J e - Z '--r \.. NO \'01:: J (9) 
which is also plotted in Fig. 3 forboL =1，2，3. With a low-pass fi1ter， 
there is a signa1 energy improvement of nearly 1 dB for b.♂= 1， 1 . 5  dB 
forboτ ;:;; 2 and 2 dB for 601: = 3. When hot...啞and戶<:0.734， the signal energy 
improvement due to thc low-pass íiltcr is 2 dB as sccn from (3)， (4)， 
and (9). 

Test Description._ - Table 1 lists the major items of test equipment 
used to construct the PCM!FM tclemetry system shown in figure 1. The 
PCM binary wavetrain generated by the data encoder was se1ccted as 
alternatc "ones" and "zeroes" with a NRZ format. The resulting 
wavcform was a square wave as shown in figurc 4; it was not possible to 
gencratc a random binary sequence with the data encodcs used. The 
difference in measured Pe between the square wave and random sequences 
was assumed to be small sincc， as indicated in the previous section， the 
difference betwcen these two approaches in signal energy conccntrated in 
a bandwidth equal to the data rate is quite small. During tests the pre
modulation filter bandwidth was varicd from infinity (no filter) io a 
bandwidth of one -half thc data rate to determine its effcct onβand Pe' 
Similarly， (3 was varicd from approximately 0.4: 1 to over 2: 1 with thc 
FM transmitter (signal generator) to determine �OPT.with different pre
modulation filter bandwidths. 

The FM rccciver used in the tests had two discrete IF bandwidths， 100 
KIIz and 500 KHz. Since the data encoder used had a maximum data rate 
capability of 100 kbps， the 100 KHz IF bandwidth was used for tests at 
bo1: = 1. This bandwidth was also used for tests at �τ=2 by rcducing the 

data encoder data rate to 50 Kbps. A limitation inherent in the tcst setup 
precluded the use of data ratcs 10wer than 50 Kbps， hence thc 100 KHz 
IF bandwidth could not be used for tests at bo 1: =3. These tests wcre 
conducted by rctuning the 500 KHz IF to 300 KHz and setting the data rate 
at 100 Kbps. 

1n all tests thc vidco output from thc FM discriminator in the receiver 
was applied to a bit rate synchronizer which contained a low-pass filter 
at thc input and a sampling detector dccision device. The low-pass filter 
scrved as the post-detection filtcr in these tests. 

The voltage polarity of a 1 micro-second strobe sample of thc post
detection filtcrcd data， with thc sample taken at the center of cach bit 
period， was used to determine whether a "one" or "zero" had bcen 
received. As shown in figurc 4， the operations on the detccted data 
consisted of post-detection filtering the noisy data from the receiver， 
using a level crossing dctector on the post-detection filtered data to 
produce a binary waveform， and sampling this binary waveform at the bit 
period center to reconstruct the transmitted wavetrain. By using the 1evel 
crossing detector， amplitude variations in the post-detection filtcrcd 



output were e1iminated. Noise-caused edge jitter on this constant 
amp1itude waveform resulted in the bit errors measured. Errors were 
detected in an "Exclusive Or"circuit by comparing the transmitted NRZ 
waveform with the reconstructed waveform at the decision device output. 
Synchronism between the bit rate synchronizer clock， from which the 
samp1ing strobes were obtained， and the transmitted data train was obtain 
ed in separate tests for hard-line synchronization (hard-1ine between the 
data encoder and bit synchronizer) and for synchronization achieved by 
the bit rate synchronizer a10ne operating on the received noisy data. No 
measurab1e difference in Pe vs. SNR1F was observed. Figure 5 compares 
the Pe vs. SNR1F measured by A�co -MSD and previous1y reported 

8 results by EMR and Aeronutronico. These resu1ts were based on 1，0τ=1 
and show c10se agreement between the three tests. Figure 6 is a compari
son between the theoretica1 Pe vs. bo1: results derived in this paper and 
the resu1ts of experiments conducted at Avco-MSD. It can be seen that 
very c10se agreement was achieved.βused in figure 6 was 0.7 and was 
based on test results shown in figure 7. In that figure Pe is shown vs.戶
for the case of b�τ=3 and SNR1F he1d constant at 9db. It can be seen 
from this figure that the best performance (lowest Pe) was obtained without 
a premodu1ation filter (R=ao). With the exception of the Ilno filter" case， 
戶OpT. (βat which Pe was minimized) occured at @乞0.7 as indicated 

earlier in the ana1ytica1 results. The dip in Pe occuring atβ=2.0 for 
R=ωis unexp1ained at this time， but is assumed to be due to harmonic 
contributions. It can be seen from figure 7 that the use of a promodulation 
filter with bandwidth 0.5-to- 1.5 times the data rate does not appreciab1y 
affect Pe. Results similar to those shown in figure 7， but not shown in 
this paper， were obtained at other va1ues of SNR1F and for bo 1: =2. 

Figure 8 compares system performance with and without a premodula
tion filter and illustrates the small penalty in system performance resu1t
ing from the inclusion of premodu1ation filter in the system. 

Appendix 1 -Error Probability of Wideband PCM/FM Withou!�ow
pass Filtering. - We start with the genera1 expression of the error 
probabi1ity for discriminator detection as given by Meyerhoff and Mazer 
(Eq. 3 of Ref. 1) 

fr) ff y jz ? ， G ) =至一 /一「危I。ω+{ZJ向恥。(j)+ I， (�il (dv (A 1) OrffrJ〈 J
where f r. �u←G)'2 1 .J - Z L' /手u"&.. J 
Here f'is the signal-to-noise ratio at the imp叫of tl 于dycriminator with

-the noise power taken over the IF bandwidth. Let (0 = AI:". L be the received 
signa1-to-noise ratio at the imput of the IF filter. Thènvrl.戶。is the carrier 
power reduction factor. For Gaussian IF filter and square wave 
modulating waveform， the expression for G and f/fo given by'Eqs. (25) 
and (30) of Ref. 2 are essentially valid fOF any bo τ .  The error probabil
ity can be obtained by substituting G and有in (A1). We will show that a 
very simple relationship exists between βandf/戶as given by (A3) below. 



Following the notations in Ref. 2， we have* 
O(;.G乎Jτ'/(2句) "JÏlÌ何't/ ( 21>41:') J IlC b，，:� JVi' 
J.(1:)含1 ， 品'(-7:)" J 21r' 0示e'Xf (-μ1) 

aod since Jf < I ， ".r < I when b.τ主且，

你f(-μ分之ð ，作f (-戶t).，.r乞。 (A2) 

Thus G = 2仗 ， where G is the g�neralized frequency deviation. 
Also f/f7，﹒ =exp. (- l/Z G2). (A3) 
(A2) indicated that to maintain G at its optimum value， the frequency 
deviation Gf must increase proportionally as bo't increases. (A3) 
is ind�pendent of bð't • The optimum G which ho1ds for the bo't" = 1 
case c.， i. e. GOt>T. = 1， shou1d also hold for bo't )> 1. For G = 1， 
the error probability has a closed form solution .1 \ 

F (f' 1') ':.去eηιr)
Thus the error probability for wideband PCM/FM using discriminator 
detection with Gaussian IF filter is 

九三F (fo， 1) : t e何-�古已 (A4) 

*10 page 137 of Ref. 2，勻I (t) should be equal to -af ?(t)+J'21T' Ilf制呵，μ).
This is obviously misprÎllted io Ref. 2. Thus the expression for G is 
greatly simplified. This symbol of Ref. 2 is replaced by μhere to avoid 
coofusion. 
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Figure 1.  PCM/FM Telemetry System

Figure 2.  Pe For Wideband PCM/FM With Discriminator Detection



Figure 3. Pe With And Without Post-Detection Filter

Figure 4.  Test Waveforms



Figure 5.  Comparison of Measured Pe For boJ =1



Figure 6.  Comparson Of Theoretical And Measured Pe



Figure 7.  Effect of $ On Pe



Figure 8.  Effect of Bp On Pe



TABLE 1 TEST EQUIPMENT
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EXPECTED NUMBER OF SPIKES OF PHASE LOCKED LOOP
DEMODULATORS1

P. W. OSBORNE and D. L. SCHILLING
Department of Electrical Engineering

Polytechnic Institute of Brooklyn

Summary    A new method is presented for finding the expected number of spikes in a
phase locked loop of any order, with or without modulation. The procedure can also be
employed to determine the threshold of FMFB, FM discriminators and the Maximum
Likelihood Estimator. The low pass equivalent gaussian noises x(t), y(t) in the
differential equation describing the system (PLL or FMFB) are replaced by the
deterministic time functions (Conditional Expectations)

1) E[x(t)/x(0), x0 (0)]

2) E[y(t)/y(0), y0 (0)]

and solved on a digital computer. The mid spike time (t=0)is taken to be the time when
x(0) (quadrature noise)=0, and a surface or surfaces in x0 (0), y(0), y0 (0) space are
determined which indicates the region A where spikes in the demodulator are obtained.
From this the expected number of spikes per second is calculated.

Results are presented for the first, second, and third order phase locked loops, and for an
ordinary FM discriminator (which can be shown to be equivalent to a PLL of infinite
gain). The second order loop used a constant plus integral filter, while the third order
loop used a constant plus integral plus double integral filter.

Introduction    For the past several years there has been a great deal research to
determine the threshold behavior of the phase locked loop.(1) However, there are
important deficiencies in the analyses to date. These analyses have assumed that the
input noise is white, and have neglected the effect of the modulation. The design of a
PLL is, however, vastly different if there is modulation than when there is no
modulation.



The expected number of spikes in the output of a phase locked loop decreases as the gain
of the PLL is reduced, if there is no modulation. When modulation is present, one finds
that there is a minimum loop bandwidth below which distortion results. The number of
spikes present in this region is large. Increasing the PLL bandwidth results in a decrease
in the number of spikes. However, we know that infinite bandwidth is equivalent to
using a discriminator, hence an optimum bandwidth exists which can only be found by
considering the effect of the modulation.

In this paper, a Carson’s rule 3dB IF bandwidth equal to 2($+1)fm Hz is employed,
where $ is the modulation index, and fm the modulating frequency. Square wave
modulation is considered. The square wave modulation represents a worst-case solution
since the number of spikes occurring per second is proportional to the deviation )f(2).

Mathematical Preliminaries

A.  FM Discriminator    The output of an IF Discriminator when integrated is:

(1.1)

where
M = phase of the modulating signal
x(t) = quadrature low pass equivalent noise
y(t) = in phase low pass equivalent noise

A spike occurs when the arctan term. jumps ± 2B (see Ref. 2).

B.  Phase Locked Loop Differential Equations.

1.  First Order Loop    A block diagram of a first order phase locked loop is shown in
Figure 1. The differential equation describing the loop is easily shown to be

(1.2)

where
M = phase of VCO output

G = loop gain and MB bandwidth of PLL.



We let the modulating signal be 2B)f. Thus Mm (t0 = 2B()f)t. When considering noise,
this represents a worst case solution. The solution of Eq. 2 with no noise is

(1.3)

For proper operation of the PLL (low distortion the error voltage (M - Mm) must be much
smaller in magnitude than n/2, or

(1.4)

which implies that

(1.5)

2.  Second Order Loop    A block diagram of a second order constant plus integral
phase locked loop is shown in Figure 2. The differential equation describing the loop is:

(1.6)

where
M is the phase of the VCO output
G1 (2 + G/s) is the transfer function of the constant plus integral filter .

(1.7)

and

(1.8)

In this report G, = G/%2, and G2 = G%2 (maximally flat). Equation 1.8 reduces to

(1.9)



(1.10)

This represents a high pass filter with a 3dB lower frequency of G radians per second.
For proper operation, the modulating frequencies must be considerably less than G in
order to maintain a small phase error (for low distortion). Thus, the error bandwidth G is
of more practical interest than the PLL bandwidth. For example, if Mm (t) = $sinTmt

(1.11)

From Eq. 1.11, for low distortion, G must be such that

(1.12)

3.  Third Order Loop    A block diagram of a third order constant plus integral plus
double integral phase locked loop is shown in Fig. 3. The differential equation
describing the loop is:

(1.13)

where

G1 + G1G2/s + G1G2G3/s
2 is the transfer function of the PLL filter

(1.4)

G1 = 2G, G2 = G, and G3 = G/2, which makes the above transfer maximally flat. Then

(1.5)



This high pass filter has a cutoff frequency of G radians per second. Again, to maintain
low distortion, the modulating frequencies must be considerably less than this. If Mm (t) =
$sinTmt the phase error developed is

(1.16)

From the above equation, it is clear that for low distortion, G must be such that

(1.17)

C.  Noise Model    Instead of the random processes x(t) and y(t), which are the
quadrature and in phase low pass equivalent noises respectively, we shall use the
following deterministic signals (conditional expectations) with random variable
parameters:

(1.18)
(1.19)

We consider the mid spike time, t = 0, as being the time when x(0) = 0. Thus, Eq. 1.18
becomes

(1.20)

The IF filter is assume to consist of the cascade of two identical stages, each single tuned
with a 3dB bandwidth of two radians per second. Thus the low pass noise components
x(t) and y(t) have the spectrum

(1.21)

where F2 is the variance of the random processes x(t), y(t). It then follows that:

(1.22a)

(1.22b)



The conditional density of x(t) given x(0), x(0) is

The conditional density of y(t), f(y(t) / y(0), y0 (0)) has the same form as Eq. 1.23.

Using Eqs. 1.22a, 1.22b, and 1.23, we find for the following conditional expectations:
(1.24a)
(1.24b)

The above deterministic functions are the noise models used in the PLL analyses which
follows. A typical noise trajectory is shown in Fig. 4.

D.  Computation of the Expected Number of Spikes per Second    Using a digital
computer, and the noise model of Eq. 1.24, the differential equations of the PLL (see
Eqs. 1.2, 1.6, 1.13) are solved. A fourth order Runge-Kutta starting procedure is used,
with a Moultons predictor-corrector program. The solution is made over a period of time
from t = - 5 to t = + 25 seconds. A hunting procedure on the parameters 0x(0), y(0), y0 (0) is
used in the program such that a “spike” surface in 0x(0), y(0), y0 (0) space is determined.
Values of the parameters 0x(0), y(0), y0 (0) on one side of this surface cause the phase error
between the phase output of the PLL VCO, and the phase of the modulation to be ± 2B at
t = 25 seconds. Values of the parameters on the other side of this surface cause the above
phase error to be zero when t = 25 seconds.

The expected number of spikes per second is simply the expected number of times the
random vector 0x(0), y(0), y0 (0) is in a spike region. From Rice (2) we get

(1.25)

where S = spike regions
N = expected number of spikes/sec
f(x,0x,y,y0 ) = joint gaussian density of x,0x,y,y0 .



The integral is performed by approximating the spike surfaces by plane segments, and
summing the results of Eq. 1.25 for each segment. A digital computer was used to
perform this tedious computation.

To simplify computations, the equations were normalized. The 3dB bandwidth of the IF
filter is

To compare the results for this IF bandwidth with results for other bandwidths, we
introduce a. time scale to the phase locked loop equations:

(1.26a)
This results in a new IF frequency:

(1.26b)

for the first order loop

(1.27)

while for the other loops

(1.28)

The number of spikes/second is then
(1.29a)

(1.29b)

where
$ = modulation index
fm = modulating frequency
TIF = bandwidth (radians/sec.)

Results    The spike boundary can be found for the FM discriminator by plotting Eq. 1.1
from t = - 5 to + 25 seconds instead of solving a differential equation. Fig. 5 shows the
resulting spike surface for a FM discriminator with a constant modulation offset of 0.6
radians per second. (This is equivalent to square wave modulation). It is interesting to 



note that there are multiple spike regions and that no positive spikes occur in the regions
shown.

The surface for the first order PLL with no modulation is shown in Fig. 6. Negative
spikes occur for values of 0x(0), y(0), y0 (0) to the right of the surface and none to the left.
The surface for positive spikes is simply a mirror image of the one shown, below the
y(0), y0 (0) plane.

The surfaces for the second and third order loops are shown on Figs. 7 and 8, for the case
of no modulation. Note that they have the same shape and form as the surface for the first
order loop, (no modulation), and again the surface for positive spikes is a mirror image
of the one shown, below the y(0), y0 (0), plane. Also spikes are obtained to the right of the
surfaces as before.

The gains of second and third order loops were adjusted so that the phase error
developed with sine wave modulation ($sin(Tmt)) is the same for both loops and
modulation indices (3 and 12). The lower gain loops are designed to operate with the
larger $, while the higher gain loops are to operation with the lower $. Note that since
the IF bandwidth is kept constant, a larger modulation index implies a lower modulating
frequency Tm hence a lower loop gain can be used.

The surface for the first order PLL with a constant modulation offset of .6 radians per
second, is shown in Fig. 9. It is very similar to the surface obtained for the FM
discriminator. This is to be expected, since the gain of the first order loop is rather high
(to maintain a low distortion), which makes the performance of this loop not very much
different than that of, the FM discriminator.

The expected number of spikes per second for the above surfaces was calculated using
Eq. 1.25. The normalized results are plotted in Fig. 12. The curves for the first order PLL
show that spikes are approximately a thousand times more frequent with modulation than
without. Also it is evident that better performance is achieved as the order of the loop is
increased. It is also interesting to note that the difference in performance between the no
modulation and the modulation case decreases as the order of the loops increase.

Conclusions    The expected number of spikes, for an FM Discriminator with
modulation, obtained from the spike surface of Fig. 5, was found to be almost the same
as that for no modulation. These results, together with a simple approach heuristically



derived by Rice(2), are compared in Fig. 12. The difference, in terms of carrier to noise
ratio, is only 0.5 dB.

The results are also compared with experimentally obtained results, for the first, and
second order loops. The agreement, in terms of carrier to noise ratio, is very good for the
first order loop. The agreement for the second order loop is not quite as good, a poorer
result being obtained for the experimental points. (By “poorer” I mean more spikes per
second.)

The theory assumes that the low pass equivalent noises x(t), and y(t), are independent.
This requires the bandpass IF filter to be symmetric about the center frequency. To do
this with a cascade of two single tuned stages, requires a very high Q. In the experiment,
the IF filter used had a center frequency of 455 Hz and a bandwidth of ± 4.1 Hz. The
correlation of the low pass equivalent noises was indicated by the fact that symmetrical
spikes were obtained with a carrier frequency 1 kcs. above the center frequency. The
discrepancy between the theoretical and experimental results are expected to be due to
the above problem.

It is worth noting that the method allows the comparison of different systems by
comparing their respective spike boundary surfaces. If the surface of one system is closer
to the origin than the other, then the first system generated more spikes than the second
under the conditions for which the surfaces were computed.
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DIGITAL-DATA TRANSITION TRACKING LOOPS 

By W. C. LlNDSEY and T. O. ANDERSON 

昱旦旦旦. 'fh1s paper 18 deTOted to the prob1個ot traakiDg data-tran
a1t10n8 1n d1g1tal co..un1cat10n 878teas by aeana of dec1s1on-directed 
phase-track1ng 10ops. Such techn1quea are of 1nterest becau8e these 
methoda prov1de the rece1ver v1th a knov1edge of the tt.e in8tants vhen 
the modulat10n .ay change 8tate8 v1thout uaing add1t10nal transaitter 
pover. '.rbe re8ults pre8ented are u8eful in de81gn1ng synchronizing 
circu1 try for a vide variety of d1g1 tal 8Y8tema. One part1cular system 
.ecban1zation p1an 18 presented. 

zntroduotion. Recent1y con8iderab1e 1nterest ba8 deve10ped in tbe 
prob1em of track1ng data-tran81t10ns in d1g1tal co-.un1cat10n ayatems. 
想1e app11cat1on of th1s techn1que 18 to prov1de the rece1ver vith an accu
rate estiaate of synb01 8yncbron1zation， i.e.， the 1nstants in tiae vhen 
the叫ulat10n a叮change state8. In so-called 81晦1e-channe1 (Ref. 1) 
d1g1tal co團軍un1cation 8ysteas vbere 81訕。1 and 8ubcarr1er synchron1zat10n 
are der1ved froa the recovered modulat10n 8uch a aethod offers a saving 1n 
trans魁tter pover over the 80-cal1ed tvo-channe1 (Ref. 2) 8y8tea vhere a 
aeparate tiJIing s1gnal ia tran8m1 tted for synobron1zat1on purp08e8. 'l'h18 
art1c1e pre8ents an analY8ia of a part1cular type of 8yabo1-track1ng dev1c� 
Sy8tea aechan1zat1on tecb且ique8 are &180 sugge8ted. 想1e re8ult8 are use
ful 1n de81gn1ng 8ynchronizing c1rcu1try for a v1de var1ety of digit&1 
8y8teas， e.g.， b10ck decoder8 and 8equenti&1 decoder8. 

SY8tea Ilod.e!. A b10ak d1agr_ of a d1g1tal data--tranaition track1ng 
100p 1a dep1cted 1n F1g. 1. The traakiDg 100p cona1at8 of tvo branchea: 
an "In-PhaaeM branch， the upper halt， and a "Mid-Pha8e" br8J1ch， the 10wer 
half. 'l'heae tvo branch OUtput8， v1z.， I(tn) and )((tft)' are fed i的。 a
pb&8e detector， the 1。句llult1plier， produc1ng the aIgn&1 e( tft )油1ch i8 
filtered by the 1∞'p fllter F(8). The output， 8ay ，，(t)， of rT8) i8 u8ed 
to contr01 the 1n8tantaneou8 frequency and phaae of the v01tage contr01 
。ac111ator (VCO). The VCO output 18 u8e4 to contro1 a ttae generator vh1ch 
produce8 the t1ae t1cka tn for 8açling the output ot the 1n-phase and mid
phaae fi1ter8. 'l'b.e dec1810n dev1ce accept8 the output trom the 1n-phaae 
(IP) t11ter and announce﹒"+1" 1f the 1峙的18 greater than zero and "-1" 
1f the 1nput 1a 1e88 than zero. Thia 1nforaat10n 18 fed into the trana1-
t10n detector Yhoae outputa are e1ther "+1"， "-1"， or "0.. S1nce the 
tranait10n .value. depend8 on the 1np叫up until ti.ae tn，甜甜eaa the aid
ay訕。1 1ateg'，!'且depend8 only on tiJaea up to tn - 'r/2， i t 18 nece88ar，. t。
de1ay the嵐d吋�o1 1ntegral by 'r/2 aec to g1v!，� n\曲er JI(tn) to the 
主∞p. 'l'h1a effect1ve1y in8ert8 the funct10n e-'r/2 into the open 100p 
tranafer funct10n; but， as ve 8hall &88U1le YL'r << 1， 1ta effect on 100p 
。perat10n ia neg1ig1b1e and ia bençe omitted in the analy8i8 to follov. 
[YL i. the 100p ban伽1dth (Ref. 3)]. 'fhe tran81tion valùe "+1" ia a88uaed 
if the data 8equence goes froa p1ua to ainu8， i.e.， a negative-go1ng tran
ait1咽。ccura. If no tranait10n 1n the data take8 p1ace the。的.put I(tn) 
i. aet to zero. 'l'he aid-pba8e (即) f11ter i8， in etfe此， tbe error cbannel 
。f tbe 100p and the algebra1c a1伊。f 1ta ou句ut 18 .w1tcbed in accordance 
Yitb a1但al I(tn)切pr剖uce the ao-called track1ng 1∞p S-curve. 'l'he in
put 81gnal x(t)，油ich in pract1ce 18 tbe output of a 8ubcarrier traak1ng 
l∞恥i. a.au.ed to be the aua of a ai伊祉a(t)醉" 叫“t1ve vbi te Gaua-
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sian noise n(t). In what fo11側s we present an analysis which enab1es one 
to design such a 10句， det甘冒ùne the range in data rate and signal-to-noise 
ratio in the 100p bandwidth wL' etc. for which the 100p wi11 provide the 
necess前y timing accuracy required for symbo1 synchronizati∞. Loop per-
formance depends upon thI﹒ee par血的ers， viz.， the energy per sy訕。1 Es， 可noise spectral density NO， and the ra:七io 5s of the symbo1 rate R..s = 青
to the 100p bandwidth wL as a measure of performance. • ...s 

System Analysis a:nd Design Trends. 工t is assumed that the input sig
na1 x(t) consists of a sequences of pulses of time duration T a:nd ra:ndom 
amplitude士A where 七he probabi1ity of +A equals the probabi1ity of -A， 
and that the additive noise n(t) is white and Gaussian with sing1e-sided 
spectral densi ty of NO watts/ hertz. Thus 

你) = L bnu(七 - nT - E:) + n(七)
n 

(1) 

where u(七) = 1 if 0 � t � T and u(t) = 0 e1sewhere. In _ (l) E: is the ra:ndom 
epoch to be estin恥ed and bn = 士A with p(+A) = p(-的 =主.

The procedure which we use to analyze 100p behav.ior is to deve10p a:n 
equivalent mode1 of the 100p白'om which the non1inear theory of tracking 
100ps， viz.， the FokkeI呼1anck app位的us (Ref. 3)， may be used to specify 
l∞'p perform組ce. This invo1ves two co:耶泌的ions: (1) determination of 
l。句S-curve on the average �s a 的叫ion of the normalized offse叫=咐
f'rom the 10ck point ，. = E: -ε， and (2) determination of the spectra1 den
sity about the origin of the equivalent noise as a function of the norma1-
ized offset x. We shal1 refer to this spectral density as 8仙，入) and the 
8-curve as g(λ). We assume that the noise which disturbs the 100p is white 
and Gaussian with a doub1e-sided spectral density of S(O，À) watts/hertz. 
For al1 practical purposes， then， the equiva1ent tr紅lsition tracking 100p 
of Fig. 1 may be rep1aced by the mathematical1y equivalent 100p i11ustrated 
in Fig. 2. In Fig. 2 the spectra斗density of nX(tn) is denoted by 8(0λ) 
and K is the product of the VCO gain cons七位lt and the gain of the 100p's 
phase detector. Obvious1y， S(Oλ) is monotonical1y increasing in X， since 
七he further away f'rom the 工。ck point (λ= 0) the恥re noise one has to 
contend within I(tn). This is due to the fact that more errors叮e made in 
the "工n-Phase" branch which， in effect， injects more noise into the mu1ti
plier of Fig. 1. 

If 1itt1e data degradation ca:n be t01erated， then extreme accuracy is 
required in estab1ishing symbo1 synchronization. Thus， the va1ue of 8(0λ) 
is essentia11y the noise spectral density seen by 七he 100p at λ= 0， viz.， 
8(0，0). If one assumes that the in-phase fi1ter and the mid-phase fi1ter 
are perfect integrators with integration time T seconds， then it may be 
shσwn that the 8-curve is expressed by 

g(λ) = ATÀ[l - 2九(λ)] ; IÀ I �告-t 
(2) 

where P.". (λ) is the probabi1ity of detecti時a transition incorrectly， viz.， 
向t CD 

1" ， 2 P.". (À) = τ� I exp(-x"'/2)dx (3) -y �2啊 -A



where A = 2Rs(1 - 21λ1) and Rs = A2T/NO. Figure 3 i11ustr的es the S-
curve g(λ) for various v81ues of Rs﹒ It is seen that， for 1arge 恥， the 
curves are 1inear whi1e for smaller Rs the curves are high工y dependent upon 
Rs. Also， it may be shσwn that 

N_T ..... R 
仇0) = 寄� [工+ 手 (品 均(4s) + Rs(1 . 弋州}2J (江)

N_T 
;::-h 4 

in which h represents the bracketed quantity. Obviously， as Rs approaches 
infinity S(O，O) = NOT/4 as it should， i.e.， h approaches unity� 

到le stochastic differen七i81 equation which re1ates the pertinent para
meters to the 100p mode1 in Fig. 2 may be written as (assuming zero static 
ti區ng e叮叮)

1 = 即(p)[ATg(入) + nÀ (七)] (5) 

where À = T /T =抖- ê)/T. Since solving stochastic differenti81 equations 
is meaningful on工y in the probabi1istic sense we seek to determine the 
probabi1ity distribution p(λ) by the Fokker-P1anck method (Ref. 3). With
。ut be1aboring the detai1s of the derivation， we have that 

F 2R6 ) 『
p(λ) = N exp l - � I _ x[l圓 白 (x)]dx I ; IÀI �告 (6) L h J 1 -- �- --E， '--'---J 

" 芝 Z

where N 泌的。sen such that p(λ) has unit訂ea and ôs = l/TwL = Q.s/WL﹒ It 
is c1e甜from Eq. 6 that for smal1 PE�(x)， i.e.， 1arge Rs thãt p(文) becomes 
Gaussian with varian間， as determined fr﹒om Eq. 6， of 

2 h hNOWL 
σλ = 室官τ = -

_
-2-s.s 2A 

(7) 

In the 1inear region of opera七ion the variance of the normalized timing 
error is proportion81 to the sign81-to-noise ratio in the 100p bandwidth 
wp Frol!l (6)的can be seen that p(À) becomes uniformly distributed as 你s = A2/NoWL appr。叫es zero. The variance of the normalized t凶ng
error， given by 

主
σλ

2 = 2 j
O

Jp(λ)dÀ (8) 

has been obtained using numerica1 integration; the results are i11ustrated 
in Fig. 4 for a wide range of design parameters. 

As an 81ternate mechanization of the tracking 1oop， it is possib1e t。
improve 100p performance by reduci時the noise v甜iance S(O，T) at the ex﹒ 
pense of ch位�ing the S-curve. 到1is may be accomplished by integrating in 
the mid-phase channe1 on1y over a portion of the symbol tin峙， say w sec-



onds. In this case， it may be shown that the S-curve is given by (see Fig. 
5) 

o s:λs: w/2T 

w/2T S: À S: w/T 
(9) 

and the corresponding values of the noise spectral density about w = 0 is 
given by 

N_wh' 
S(o，o) == __.::γ- (10) 

Thus， it wo泣d appear that the noise S(O，O) may be made arbitrari1y smal1 
by a11σwing w to approach zero; however， the prob1em of symbo1 slipping 
around the 10ck point begins to degrade the 100ps tracking capabi1ity. It 
would appear， then，that there exists a "best" w for a given mean time t。
first symbo1 slip. 

In the 1inear region of 100p operation the variance of the norma1ized 
100p jitter is thus given by 
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(11) 

Comp訂ing this with the si主uation w == T (i.e.， integration over the fUl1 
symbo1 time in the error channe1) we have 

σÀ
2(w) _ h'﹒ W :::.. W 了γ- h T T 
A 

(12) 

in the line甜region. So the improvement in norma1ized jitter is approxi﹒ 
mate1y _ 'VT jT. 1fw__==_Tj2 then there is an approximate 3 db improvement， i.e.， 
w/T =告. As before one m叮write the pr的abi1ity density p(λ) using 

， 

Fokker-P1anck methods， hσwever， we shal1 not study 七he detai1s here. 

System Mechanization. 工n this section we discuss one particular 
imp1ementation of the symbo1 synchronizer ana.1yzed in the previous section. 
This imp1ementation， i11ustrated in Fig. 6， inc1udes several nove1 features 
intended to provide for a wide range of symb01 rates 祉， viz.， 10 to 250 
ki10bits per second. This wide range in扎is made possib1e and is s油
p1ified by imp1ementing the tracking 100p in the hybrid digital-analog 
domain. 

For 1arge symbo1 rates， multip1exing between two separate integrators 
in the IP branch is performed so that one may reset one integrator whi1e 
emp10ying the other integra七。r. The outputs

，
of the IP fi1ters serve as 

inputs towo highMSpeed tracking c。rlvez-tezJ(mm). MUltiplexing be七ween
the two HS凹's of the IP branch is then performed in the digital domain; 
thus， e1eminating any degradation due to manipulation of the analog 
signal. 

1 Jlanu:t'actured by Canoga Electronica Corporation， Chastwort尬， Cal1forn1a. 



In 七he previous section it was demonstrated ana1ytica11y 七hat best 
tracking performance is obtained by integrating over a portion of 七he sym
bo1 time， see the timing chart i11ustrated in Fig. 7. Integration over a 
portion of a symbo1 time in the MP fi1ter 1eaves amp1e time for resetting 
of the integrator; thus， no mu1tip1exing in the MP branch is required. The 
mechanization of this branch consists of an in七egrate and dump circuit fo1-
10wed by hard 1imiter. 

The 100p fi1ter (see Fig. 6) is imp1emented digital1y as a perfect 
integrator. The transfer function F(s ) assumes the form 

F( s ) 
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so that operationa1 prob1ems due to false 10ck， static phase-error， etc.， 
are minimi zed. Both componen七s are imp1emented individual1y in the digita1 
domain and added in the analog domain. The first-order co峙。nent is a 
positive or a negative number entered in a register by an accep�βd samp1e 
from the MP branch. The second-order component is the running sum of 
的cep七ed s個�les of the same branch. These s組�les are counted in a up/ 
down counter. Attached to the outputs of the upjdown cou的er and ho1d 
register前e digital-to-analog converters (DAC ). The outputs of these two 
DAC's are added at the input of an operational amp1ifier (O P) whose output 
is used as an error signal to contro1 the instant缸leous phase and frequency 
of the VCO. 

The bandwidth is contro11ed by varying the gain in each component of 
the digital fi1ter， i.e.， the gain K1 is imp1emen七ed by setting the regis
ter to various gain 1eve1s whi1e the gai� K2 is imp1emented by tapping the 
apprψi恥的咿的the input to the upjdoWn counter. This counter also 
contro1s the decade se1ection of the VCO frequency. The VCO output is used 
to trigger the timing generator. 

Initia1 acquisition of sy泌bo1 sync may be achieved by a 10wering of 
the gains K1 and K2( widens the 100p bandwidth) and inserting an acquisition 
vo1tage into the VCO which causes its frequency to vary slow1y with re﹒ 
spect to the incoming symbo1 rate. When symbo1 10ck is achieved the 100p 
bandwidth is n缸'rowed so as to give better tracking performance. Alter-
nate1y， if a computer is avai1ab1e for 100p fi1ter processing， it can be 
programmed for automatic acquisition. In this case the VCO is rep1aced by 
a frequency synthesizer and 七he 100p bandwidth and instantaneous fr﹒equency 
of the synthesizer are contr。工1ed via the computer. 

Description of Operation. Integration is performed over a sy証bo1 time 
by the IP fi1ter and over a portion of a symbo1 time for the MP fi1ter. If 
two consecutive samp1es of the IP output differ in si阱， a sy哨位transi﹒
ti。也is assumed to have occurred. The samp1e from the MP fi1ter is used to 
form the correction vo1tage for the VCO. If two consecutive samp1es of工p
filter are of the same sign， no transition is assumed to have occurred位ld
the MP fi1ter samp1e is discarded. The accepted samp1es are processed in 
the digita1 fi1ter and the resul七 is used as the correc七ion vo1tage. T。
provide f1exibi1ity in detai1 timing for 七he integrators and high speed 
tracking converters， the VCO frequency is selected to be severa1 times the 
symbol rate. 白lis frequency is counted down by the timing generator in 
Fig. 6. 



Final1y， the correction vo1tage is normalized as fo1Lσws: A zero t。
。ne and one to zero data transition occurring at the same out-of-phase 
position wou1d resu1t in correction vo1tages of opposite po1arity. This 
discrepancy is corrected by multip1ying the correction vo1tage by the sign 
of one branch of the MP channe1. 官le detection of a transition as we11 as 
this mu1tip1ication are performed in the digita1 domain by means of the 
mod 2 circuits i工1ustrated. Delay registers exc1uded from the diaεram 
must be inc1uded so that two consecutive samp1es from the in-phase branch， 
and the samp1e from the mid-phase branch �i11 be avai1ab1e for processing 
at the same time. The output registers of the two in-phase high-speed 
tracking converters are de-mu1tip1exed to derive the fina1 output of the 
bit synchronizer. 

A system mechanization such as described above is present1y being 
imp1emented at the Jet Propulsion Laboratory. It is intended to be used 
in conjunction with a sequentia1 decoder in support of the Pioneer D space
craft to be 1aunched in August 1968. 
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Fig. 1.  DATA-TRANSITION TRACKING LOOP

FIG. 2.  EQUIVALENT DATA-TRANSITION TRACKING LOOP MODEL



FIG. 3.  THE FUNCTION g(8)/AT vs 8 FOR VARIOUS R





FIG. 5. THE FUNCTION g(8)/AT vs 8 FOR VARIOUS Rs WITH w = T/2

FIG. 6. FUNCTIONAL BLOCK DIAGRAM OF SYSTEM MECHANIZATION



FIG. 7.  SYSTEM TIMING CHART FOR w = T/2 
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PERFORMANCE OF BINARY PSK COMMUNICATION SYSTEMS1

J. F. OBERST and D. L. SCHILLING
Department of Electrical Engineering

Polytechnic Institute of Brooklyn.

Summary    The degree of RF coherence which can be established between transmitter
and receiver greatly influences the performance of binary communication systems.
Practical systems are partially coherent; the main classes are transmitted reference (TR)
and single channel (SC). Although SC systems are potentially superior, they are difficult
to analyze and have an inherent mark-space ambiguity problem.

In this paper, four SC PSK systems have been studied using Monte Carlo simulation on
an IBM 360/50 digital computer. Differential data encoding was used. The systems
investigated include Decision Feedback (DF), Squaring (SQ), and a variation of SQ
called Absolute Value (AB). In addition, a new Maximum Likelihood (ML) SC system,
which is optimum in a restricted sense, is derived and simulated.

The simulation results show that all of these systems yield comparable average
probability of error. This is in contrast with results which have been published
previously. Furthermore, the systems can all be shown to reduce to Differential PSK
when the number of reference bauds is one. Finally, a method is introduced for studying
the effects of various methods of data encoding on SC system operation.

Partially Coherent PSK Systems

The degree of radio frequency (RF) coherence which can be established between
transmitter and receiver of a communication system greatly influences the performance
attainable. Assuming that the signal amplitude (given i) and the baud timing, or bit sync,
is known at the receiver, we can write the RF signal received in the baud [0, T] as

where the subscript i indicates that si (t, 2) is the signal corresponding to message mi, i =
1, 2. n(t) is white gaussian noise with one-sided power spectral density No. 2 is the RF



phase, assumed to be constant over the baud, which may be known with varying degrees
of accuracy depending on the particular communication system. The accuracy with
which the value of 2 is known at the receiver determines the degree of RF coherence and
thereby the minimum average probability of error P(E) which can be achieved.

Two important signal parameters are the energies of the two possible received signals Ei,
and their mutual correlation coefficient D:

If the actual value of 2 is known accurately at the receiver, the system is termed
coherent. It is known that the best signal set for such a system, in the sense of minimum
P(E), consists of a pair of equal energy anticorrelated (D = -1) signals. Phase shift keyed
sinusoids, defined by

form such a set. With the signal energy E received in each baud and the signal-to-noise
ratio R defined as

it can be shown that the minimum P(E) attainable is

(1)

The receiver which attains this P(E) is the correlation detector shown in Fig. 1.

In practical communication systems the received phase is not known with perfect
accuracy. Often, however, an estimate     of 2 is available, and systems using such an
estimate are called partially coherent. When the estimate is good, and the signals are
properly chosen, partially coherent systems may attain a P(E) close to the lower bound
(1). Unfortunately, the problem of overall system design, including signal specification
and receiver design, is quite complex. The difficulty is that the phase estimate is usually
derived at the receiver by special processing of the signals received over several bauds.
Thus considerations of receiver complexity, signal structure, and channel characteristics
all interact. The procedure which has led to many useful partially coherent systems is to
postulate a “reasonable” signal set on the basis of the method to be used by the receiver
to derive the phase estimate, and then to seek the parameter values which yield the best
operation. Since anticorrelated signals are generally superior when a good phase estimate
is available, the best choices are usually modifications of the simple coherent PSK



system discussed above. These systems usually fall into one of two categories,
transmitted reference and single channel, although combinations of the two are also
possible.

Single Channel Systems

Transmitted Reference (TR) systems transmit a reference signal to the receiver through a
channel separate from the data channel. Thus the transmitted signal is a combination of a
normal PSK signal and a signal to be used only for RF phase synchronization. The major
disadvantage of TR systems is that the available power at the transmitter must be shared
between these two signals. In single channel (SC) systems a normal, fully modulated
PSK signal is transmitted. The phase estimation portion of the receiver processes this
PSK signal in some nonlinear manner in order to remove the modulation. The various
systems differ in the nature of this nonlinear processing. The great advantage of SC
systems is that the entire transmitter power is used for both data transmission and phase
synchronization. Thus SC systems are potentially superior to TR systems.

It is appropriate at this point to introduce the mathematical model used in this study of
SC systems and to note the two assumptions involved. First, the carrier frequency To is
assumed to be known accurately at the receiver. Second, the quality of the phase estimate
obtainable in actual systems is limited by the rate of change of received phase, caused by
channel variations, oscillator phase jitter, etc. This limitation is incorporated into a
simple model by postulating a constant received phase, but a limited allowable
measurement time. This measurement time is taken as qT, extending over q bauds of
duration T. The waveform available at the receiver for the decision on the data
transmitted for t , [0, T] may therefore be represented as

(2)
where m(t) represents the modulation, and takes on the values ± 1 in each baud
independently and with equal probability. Some receivers also store the last q decisions.

Although the model (2) is simple, two major difficulties are encountered in the study of
SC systems. The first involves the nonlinear processing of the signal performed by the
receiver in order to construct a partially coherent reference waveform. Such processing
makes it extremely difficult to obtain results analytically. For this reason, Monte Carlo
simulation on a digital computer is useful in studying system performance. The second
difficulty encountered in SC systems is the “mark-space ambiguity” problem. In a simple
SC system there is no way of determining the absolute sense of the signal received in
each baud. That is, even though in low noise the bauds during which a 1 was transmitted
can be distinguished from those during which a 0 was transmitted, it is impossible to
determine which of these two groups of bauds actually corresponds to the 1 signal. In



most SC PSK receivers, this mark-space ambiguity takes the form of two fairly stable
average phase values of the derived reference, separated from each other by B radians.
Even if the correct reference sense is established at the beginning of the transmission,
noise may cause loss of synchronism and eventual reference reversal during the
transmission, inverting the decoded message. Several techniques are available for
dealing with this problem, the simplest of which is differential data encoding. As shown
in Fig. 2, data of 1 is represented by no phase change from the signal transmitted in the
previous baud, and data of 0 by a phase change of B radians. Since the presence or
absence of a phase transition between bauds can be detected equally well using a
reference with phase near 2 or 2 + B, there can be no inversion of the data with this
technique. However, in a low error rate system where adjacent decisions are
approximately independent, differential encoding almost doubles P(E).

Simulation Technique

There are three basic reasons that Monte Carlo simulation on a digital computer is useful
for studying SC PSK systems. First, as mentioned previously, SC systems are difficult to
analyze exactly because the received signal is processed in a complicated way. Second,
the systems studied are basically discrete, and are therefore easy to model on a digital
computer. Furthermore, these systems process independent, normal random variables
which are easy to generate by a computer subroutine. Finally, sophisticated error
counting and analysis can be included in the simulation programs without much
additional effort.

The normally distributed random numbers used in the simulations were obtained from
uniformly distributed random numbers by a mathematical transformation of probability
density functions. The uniform random numbers were generated by the multiplicative
method, using the relationship

(3)
For the IBM 360/50 used, the parameters in (3) which gave good results are

In all of the systems simulated, the random variables at the receiver input which must be
operated upon are independent and normal, with p. d. f.

(4)



mi = ± 1 represents the modulation. Since the performance of the receivers studied is
identical for all possible messages and for any received phase, (4) can be simplified by
assuming

The random numbers needed for the simulation become

The simulated systems were started with noiseless reference vectors. Since a large
number of trials (typically 10,000) are performed for each value of R, the choice of
initial reference vector should not influence the error count appreciably. Finally, it
should be noted that the various Systems simulated had identical random numbers as
inputs, so the results are truly comparable.

Results for Various Systems

Differential data encoding was used in all of the simulations. The systems studied
include Differential (D) PSK, Decision Feedback (DF) PSK, Squaring (SQ) PSK, and a
variation of SQ-PSK called Absolute Value (AB) PSK. In addition, a new Maximum
Likelihood (ML) SC system, which is optimum in a restricted sense, is derived and
simulated.

We first establish a performance bound for differentially encoded SC PSK systems as
follows. A SC system is operating ideally when its derived reference is noiseless. Then
the probability p of incorrectly identifying the sign of the signal received in each baud is
given b (1):

Since the reference is perfect, successive decisions are independent, and since
differential encoding is used, an error occurs when a wrong detection is followed by a
correct detection or vice versa. Therefore the minimum average error probability is given
by

(5)

This bound is useful in evaluating the simulation results.

We now consider Differential (D) PSK which is the simplest and in certain ways the
basic SC PSK communication system. In D-PSK, the signal received during the previous



baud serves as the partially coherent reference for the present decision. A D-PSK
receiver is shown in Fig. 3. Analytical results are available [1] for various error
probabilities in DPSK:

The results of the error counts from the simulation are shown in Figs. 4 and 5, and the
analytical curves (6) are included for comparison. The excellent agreement in these two
figures indicates that the random number generator used produces numbers with the
desired distribution and independence.

In Decision Feedback (DF) PSK, combination with the reference of the signal received
during the present baud is delayed until a decision about which signal was transmitted i’s
made by the receiver. This decision is then used as if it were correct to modify the
present signal before it is combined with the reference. Since usually P(E) is small, the
rge majority of received signals are combined in the correct way. The structure of one
DF-PSK receiver is shown in Fig. 6. The delay-and-multiply operation at the output is
used to recover the data, which has been differentially encoded. It is easy to show that -
when q = 1, the DF-PSK receiver of Fig. 6 reduces to the D-PSK receiver of Fig. 3. The
error counts from the DF-PSK simulation are shown for three values of q in Fig. 7. It is
clear that for medium values of q the system is operating close to its theoretical limit.

Now we examine a class of SC PSK systems known as Harmonic Tracking (HT). The
general HT-PSK receiver is shown in Fig. 8. The operation of the reference deriving
section is best explained by representing the random variables (r. v. ) w1i , w2i in the ith
baud by the vector wi = w1i + j w2i in the complex plane. If Ni is the phase error due to
noise in the ith baud, the received phase is given by

depending on whether a 1 or 0 was transmitted. In either case, the phase doubler output    
        has angle



which is independent of the data transmitted during baud i. The vectors       
corresponding to the q reference bauds are combined to give a resultant vector w' with
phase

where N ' represents the total error due to the noise. 2 ' is then halve to give the final
phase estimate     

Two details of this technique demand further attention. First, the method of combining
the          has not been completely specified. For simplicity, we assume they are
combined by vector addition. Then it remains to specify the exact action of the phase
doubler. If          is written in polar form,

it is clear that to specify the phase doubler we need only specify its effect on the
amplitude of the input vectors

If the phase doubler consists of a vector squarer, we have

which corresponds to SQ-PSK. In general, if the amplitude is raised to the < th power,
we have < th law HT-PSK.

The second and most important consideration is that the procedure of halving the phase
2 ' is analogous to taking the square root of a complex number, and therefore the final
phase estimate     has two possible values separated by B radians. A rule must be
established for choosing one of these two values. A satisfactory rule is to choose the
value of      which is closest to the     derived for the previous decision. This choice gives
good results for all values of q, and can be shown to be optimum for q = 1, since HT-
PSK is equivalent to D-PSK under these conditions.

The HT-PSK system described above was simulated on a digital computer for two values
of < . The error counts for < = 2 are shown in Fig. 9. This corresponds to the most widely
studied system, SQ-PSK. The results for AB-PSK (< = 1) are shown in Fig. 10., The
performance of both HT systems is nearly identical. When these results are compared
with those for DF-PSK in Fig. 7, very little difference is discernible. DF seems to have a 



slight advantage for q = 2, but the systems all look equivalent for larger values of q.
Proakis et. al. [2], on the other hand, have found on the basis of a similar digital
simulation that DF-PSK is consistently superior to SQ-PSK. Apparently they did not
simulate the best possible SQ system. For q = 1, they obtained an experimental P(E) for
SQ-PSK significantly higher than the known result (6) for D-PSK, while we have shown
that with proper design these two systems are identical.

The final system investigated is called Maximum Likelihood (ML) PSK. This system
was derived in the following way. Assume that the differentially encoded PSK signal (Z)
is available, but past decisions made by the receiver are not remembered. ML-PSK is the
receiver which attains the smallest possible P(E) for the decision about the latest possible
(at t = 0) phase transition. This is accomplished by applying a maximum a posteriori
decision rule to the received signal. The ML receiver is quite complicated, its complexity
growing exponentially with q, but it can be implemented. This complexity is reflected in
the large amount of computer time used in the simulation. For this reason only two
values of q were used, and fewer trials were made for this system than for the others. The
error counts are shown in Fig. 11. Even for the relatively small q = 5, the experimental
P(E) is nearly equal to the theoretical lower bound. Performance is consistently superior
to the other SC systems considered, but is not good enough to justify the receiver
complexity.

In summary, the simulation results show that the popular SC PSK systems perform
similarly. The theoretical lower bound in P(E) for a differentially encoded SC PSK
system is approached quite closely for moderate values of q. Furthermore, all of the
systems studied reduce to Differential PSK for the special case q = 1.

Data Encoding for SC Systems

It is clear from the results of the simulations that differential data encoding nearly
doubles P(E) over that attainable by an ideal coherent PSK communication system with
direct data encoding. Therefore it is desirable to investigate other methods of combatting
mark-space ambiguity in SC systems. The difficulty here lies in the complexity of the
receivers being studied. Fig. 12 shows a simple model which approximates the behavior
of most SC systems for reasonable values of q. System operation with normal and
inverted phase reference is represented by states N and I, respectively. The probability of
reference reversal in any baud is 8. The probability of a detection error in state N is p,
and in state I is p̄ = 1 - p. Such errors are assumed to occur independently from baud to
baud.

If q << 1/8, which is the case for reasonable values of q and 8, the transitions between
states of an actual system may be expected to occur randomly. Furthermore, for a first



order Markov source like the proposed model, the number of bauds spent in each state
are exponentially distributed. This was verified experimentally for DF-PSK. Also, if
errors in each state occur independently, it is easy to verify that when differential
encoding is used

This was found to be true for DF-PSK with q $ 2 by simulation, as shown in Fig. 13. The
parameters p and 8 remain to be identified. Since this state model is proposed for
comparing various methods of encoding, rather than for accurate calculation of P(E), it is
sufficient to obtain only rough estimates of p and 8. An approximate result for p is
available from (1):

8 is a strong function of both R and q, and is usually best determined experimentally.

Space does not permit a comparison of the many possible data encoding schemes here.
Some methods which have been studied include differential encoding, transmission of
“check bits” singly and in groups, use of a decision feedback channel with delay from
receiver to transmitter, and the use of specially selected error correcting codes. As an
example of the technique employed, let us briefly consider the familiar scheme of
differential encoding. An error occurs in this system when a correct decision is followed
by an incorrect decision or vice versa. Therefore the avera e robabilit of decision error is

When 8 << p, this reduces to the result (5) obtained previously as a lower bound on
system performance. The performance of other encoding schemes in terms of 8 and p can
be computed in a similar manner. Note that many of these schemes, such as the
transmission of reference check bits, are actually combinations of single channel (SC)
and transmitted reference (TR) systems. It is easy to show that under some conditions
these hybrid systems achieve lower P(E) than is obtained with the usual SC technique of
differential encoding.
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Fig. 1 - Correlation detector

Fig. 2 - Direct and differential encoding

Fig. 3 - D-PSK receiver



Fig. 4 - P(E) and P(Ej+2,/Ej) versus R for D-PSK

Fig. 5 - P(Ej+1/Ej) versus R for D-PSK



Fig. 6 - DF-PSK receiver

Fig. 7 - Simulation results for DF-PSK



Fig. 8 - General HT-PSK receiver

Fig. 9 - Simulation results for SQ-PSK



Fig. 10 - Simulation results for AB-PSK



Fig. 11 - Simulation results for ML-PSK



Fig. 12 - State model for SC PSK system

Fig. 13 - P(Ej+1/Ej) for DF-PSK with differential encoding
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Summary    The two-channel monopulse telemetry and tracking antenna feed operates
over the frequency range from 1435 to 2300 MHz. The feed was designed and developed
for a 7-foot parabolic reflector located in the nose cone of an EC-135N aircraft. This
airborne system maintains in-flight voice and telemetry communications with Apollo
spacecraft during the injection and reentry phases of the Apollo missions.

The feed consists of a planar multimode dual-polarized cavity-backed spiral radiator and
two printed circuit comparators. The spiral radiator is excited in the sum and difference
modes at both its inner and outer filament terminals. This allows the simultaneous
reception of right-hand and lefthand circularly polarized signals. The sum and difference
modes of excitation are precisely controlled to provide the proper reflector illumination
functions for improved sidelobes and efficiency. Sidelobe levels in excess of 22 db, null
depths greater than 40 db, boresight shifts of less than 0.25 degree, and system
efficiencies of greater than 40 percent have been achieved.

Introduction    The feed system discussed in this paper was developed for operation
aboard an EC-135N instrumented aircraft for the Apollo Moon (A/RIA)1 project. The
feed’s prime object is to provide the proper sum and difference pattern illumination
functions for a 7-foot parabolic reflector.

The feed system is an integral assembly consisting of a 6-arm spiral radiator and two
stripline excitation networks. The spiral radiator is a six-arm cavity-backed planar log-
periodic spiral. The spiral element arms are fed from both the inner terminal ends and the
outer terminal ends. This excitation method results in an antenna feed which is
simultaneously dual circularly polarized (RHC and LHC). The six-port excitation
network is a stripline printed circuit board which consists of quadrature couplers and
fixed 90-degree phase shifters. This comparator circuit is preferred because coupled 



transmission line couplers can be easily fabricated in stripline configuration and the
dielectric employed is irradiated polyolefin which has very low loss.

Attention will be directed to the basic theory of operation of the twochannel monopulse
feed technique. Advantages of this system over the conventional three-channel systems
will be outlined. This paper will also describe the technique utilized for the design of the
dual-polarized feed along with its performance characteristics.

The Basic Two-Channel Monopulse Concept    Figure 1 illustrates two types of
monopulse systems. Figure 1(a) depicts the conventional three-channel monopulse
arrangement in which a hybrid feed network attached to the radiator system provides
three RF outputs; a sum, a difference elevation, and a difference azimuth. Each of these
three outputs is fed through a receiver and the sum is compared with each of the
differences to provide elevation and azimuth error outputs. In Figure l(b) the same
radiator and hybrid feed network are used. However, the two difference outputs are
combined in phase quadrature to give a single complex difference channel. The resulting
two channels are fed through receivers. The sum and difference outputs are processed by
two phase demodulators to provide azimuth and elevation error information.

A practical method of combining the elevation and azimuth difference channel into a
single complex difference channel is a 90-degree phase shift hybrid junction. This
transformation results in two complex difference channels and one that is the complex
conjugate of the other. The basic distinction between the three-channel and the two-
channel systems is that in the three-channel system both the azimuth and elevation
difference channels are required to obtain tracking information, whereas, in the two-
channel system the same information is provided in each of the error channels. Thus, in
the two-channel system one of the error channels can be discarded without loss of
information.

The far-field pattern characteristics which typify the two-channel monopulse technique
are illustrated in the amplitude and phase plot of Figure 2. The sum pattern is identical to
that of the three-channel monopulse system. The two-channel difference pattern
resembles that of its three-channel counterpart with the exception that it is symmetric
about the boresight axis. Hence, while the three-channel system has planar nulls in its
azimuth and elevation planes, the two-channel system has a point null and only one
difference pattern. One further distinguishing characteristic of the complex two-channel
difference pattern is its phase variation. The far-field relative phase between the sum and
difference patterns varies through 360 degrees as the angle about the boresight axis
varies through the same range. It is these complete amplitude and phase characteristics of
the difference pattern which allow the elimination of the third channel needed in the
conventional monopulse system. The difference in the signal intensity between the sum 



and difference channels defines the angular offset from the boresight position. The
relative phase difference between the sum and difference patterns defines the position of
the target relative to the vertical or horizontal reference axis.

Feed System Design    The antenna feed system for monopulse operation is composed of
two basic components; the antenna feed radiator and the necessary feed networks to
excite the required sum and difference modes. Several configurations can be utilized as
the antenna feed radiators. These range from the simplest to the most complex with
complete aperture control. Some of these configurations are shown in Figure 3.

The uppermost aperture configuration represents the commonplace fourhorn cluster.
Unfortunately, although this four-horn cluster represents the simplest of the aperture
configurations, it also allows little control over the sum and difference illumination. The
array factor for this arrangement is such that the maximum of the difference pattern is
coincident with the first null of the sum pattern. Consequently, the difference pattern is
generally inefficient and often characterized by high sidelobes.

The second approach, illustrated in Figure 3, is a five-horn cluster with four horns
oriented around the center aperture. With this configuration the sum and difference
illuminations at the edge of the reflector can be equated; however, the difference pattern
is now characterized by high sidelobe levels. These sidelobe levels exist by virtue of the
increased spacing between the individual elements.

The third arrangement consists of a series of concentric ring apertures. Separate control
can be exercised over the excitation coefficient for both the sum and difference modes.
This ring aperture allows complete and independent control of the sum and difference
pattern. Unfortunately, the excitation networks for this type of structure would be
extremely complex.

The final arrangement represents the first two modes that can be radiated by a multi-arm
planar spiral. The multi-arm spiral is a radiator that best approximates a series of
concentric apertures. It is capable of providing circularly polarized signals, the sense of
which is defined by the physical sense of the spiral windings. One sense can be achieved
by exciting the structure at its center feed points. The opposite sense can simultaneously
be achieved by exciting the spiral at its outer (or peripheral) feed points.

The first mode, or sum mode, radiates from a circumference of approximately one
wavelength. The second mode, or complex difference mode, radiates from a
circumference of approximately two wavelengths. The resulting feed patterns are
circularly symmetric and, hence, are ideal for illuminating a reflector having a circular
aperture. Reflector edge illumination can be precisely controlled; therefore, antenna
temperature, sidelobes, gain, and efficiency can be optimized. The difference mode of



excitation (mode 2) is excited at a diameter on the planar spiral which is twice the
diameter of which the sum mode (mode 1) is excited. As a consequence, the primary
difference aperture is twice as large as the sum aperture and the primary difference
pattern falls inside the envelope of the primary sum pattern main lobe. This allows the
edge illumination for both modes to be equated.

The complexity of the design of the required excitation networks for a spiral radiator
depends on the number of spiral arms to be excited. These networks must provide the
proper amplitude distribution and phase progression to generate the sum and difference
modes. Figure 4 is a block diagram of a six-port comparator network. It is composed of
five 3-db quadrature couplers, two 4.78-db couplers, and three fixed 90-degree phase
shifters. This matrix configuration provides equal amplitude distribution to all six spiral
arms but with a progressive phase, as shown in the bottom of Figure 4. For a six-arm
structure, the sum mode is excited by feeding adjacent arms with a 60-degree relative
phase differential. To excite the difference mode, adjacent arms are fed with a
120-degree relative phase differential and opposite arms are fed in phase. There is one
advantage to this six-port matrix design. It has a plane of symmetry and, as a
consequence, is composed of two identical three-port networks that utilize identical
subcomponents. This, in turn, offsets any phase or amplitude deviations that are inherent
in the design of the couplers and the phase shifters, which results in balanced excitation
at the spiral arms.

Feed Component Description    The two-channel monopulse feed system being
described in this paper is shown in Figure 5. The spiral radiator consists of six spiral
arms photoetched on the surface of a copper-clad Teflon-fiberglass sheet. The spiral
surface is supported at its center by the center feed tube. The periphery is supported by
an angle ring fastened to the cavity. The two stripline excitation networks are mounted
parallel to the back of the cavity base by aluminum supports. The two networks are
identical. One is used to excite the inner feed points of the spiral arms, thus providing
one sense of circular polarization; the other is used to excite the outer feed points of the
spiral arms, thus providing the other sense of circular polarization. It should be remarked
here that the input impedance of the spiral arms is not the same for inner and outer
feeding and that the spiral arms/coaxial feed line interface junction has built into it a
tapered flare angle ring that serves as an impedance matching section and a wave
launcher. This technique was very successful and individual spiral arm VSWR’s of less
than 1.7:1 were achieved for both the inner and outer feed points over the entire 1435 to
2300 MHz band.

One of the basic advantages of strip-transmission line is the ease of designing and
packaging many TEM coupled components into a single assembly with no
interconnections. Such configurations are ideal for hybrid networks, such as the six-port
monopulse comparator developed for this system, in which phase and amplitude must be



carefully controlled. Figure 6 is a photograph of the center layer of the excitation
network. The basic material is copper-clad irradiated polyolefin which is etched by a
photo-chemical process to produce the basic network components such as couplers and
phase shifters. The center board is further sandwiched between two irradiated polyolefin
dielectric sheets which are aluminum-backed on one side. The aluminum backing serves
as the groundplane required for the strip-transmission-line package.

Feed System Performance    Figure 7 shows typical sum and difference patterns of the
feed when the spiral arms are excited from their inner terminal points. Figure 8, on the
other hand, displays typical sum and difference patterns of the feed when the spiral arms
are excited from their outer terminal points. Notice that the envelope of the sum and
difference modes very nearly overlap each other. This is a desired characteristic for
optimum system performance. The difference channel also has a very deep null at the
boresight axis. This is a characteristic of the two-channel monopulse technique; ideally
the depth of the null should be infinite. The two difference peaks are slightly
imbalanced. This is a result of imperfections in the spiral surface and/or errors in the
amplitude distribution and phase progression in the excitation networks.

Figure 9 shows the spiral feed mounted in a 7-foot parabolic reflector having an
f/D = 0.431 1. Radiation pattern characteristics of this A/RIA system at 1435 MHz and
2300 MHz are shown in Figures 10, 11, 12, and 13. Notice that the first sidelobes are at
least 22 db below the sum beam maximum and that the null at boresight is very deep
(null depths in excess of 65 db have been measured). An axial ratio of less than 1.5 db
and a boresight shift of less than 0.25 degree have been recorded over the entire
frequency band extending from 1435 MHz to 2300 MHz.

Design Prediction    Table I shows typical design performance criteria for parabolic
reflector systems when illuminated by spiral antenna feeds. These criteria are given in
relation to wavelength and reflector diameter and are valid for systems having f/D ratios
between 0.35 and 0.48.

Conclusions    The two-channel monopulse feed system discussed in the. preceding
paragraphs has many advantages over conventional monopulse antenna feeds. The spiral
radiator, being a planar structure, has minimum movement of its phase center with
frequency and polarization. This eliminates a large degree of axial defocusing which
could cause increased sidelobe levels and decreased system efficiencies. The circularly
symmetric patterns provide nearly equal reflector edge illumination for the sum and
difference modes, a fact which optimizes the system performance.



TABLE I

Design Prediction Data

Item Criteria

Half-power beamwidth 65 x 8/D degrees

Gain* .43 (BD/8)2

First null position 87 x 8/D degrees

Sidelobe level** 20 to 22 db

Boresight stability 2.6 x 8/D degrees

*    at-rear of antenna.
**  aperture blocking not to exceed 4 percent of aperture area.

The spiral feed is capable of simultaneously receiving two LHC and RHC circularly
polarized signals and, when illuminating a 7-foot parabolic reflector, has the following
performance characteristics:

C  40 percent overall system efficiency.
C Maximum 22 db sidelobes.
C Dual polarization diversity.
C Null depth greater than 40 db.
C Boresight shift less than 0.25 degree.
C Ellipticity of less than 1.5 db on the boresight axis.

Acknowledgements    The feed system described in the preceding paper was developed
under the auspices of a subcontract from Bendix Radio Corporation, Towson, Maryland.

Bibliography

J. P. Shelton and Wolfe, “Two-Channel Monopulse System, “ Final Report - Phase II,
prepared for NASA under Contract No. NAS-5-2071, 15 April 1963.

R. C. Van Wagoner and E. Carpenter, “System Study of an Advanced Monopulse
Antenna System, “ Phase I Report, prepared for NASA under Contract No. NAS-5-9713,
4 December 1964.

R. Yaminy, “Antenna Monopulse Tracking Feed, “ Design Plan Report, prepared for
NASA under Contract No. NAS-5-10061, 11 July 1967.



Figure 1.  Schematics of Monopulse Systems

Figure 2.  Far Field Two Channel Monopulse Feed Patterns



Figure 3.  Two Channel Monopulse Aperture Configurations

Figure 4.  Block Diagram and Electrical Characteristics of Six-Port Matrices



Figure 5.  Two Channel Monopulse Antenna

Figure 6.  Printed Circuit Comparator Board



Figure 7.  E and ) (LHC) Feed Patterns,
2100 MHz

Figure 8.    E and ) (RHC) Feed Patterns,
2100 MHz



Figure 9.  7-Foot Parabolic Reflector with Spiral Feed

Figure 10.  A/RIA   E and ) (LHC) Patterns,
1435 MHz



Figure 11.  A/RIA   E and ) (RHC) Patterns,
1435 MHz

Figure 12.  A/RIA   E and ) (LHC) Patterns,
2300 MHz



Figure 13.  A/RIA   E and ) (RHC) Patterns,
2300 MHz
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MINIATURE CURRENT DISCONTINUITY DEVICE ANTENNAS1

BURT J. BITTNER
Staff Scientist

Kaman Nucliar
Colorado Springs, Colorado

Summary    Flush and semi-flush, Current Discontinuity2 antennas have been developed
for VHF and UHF frequencies that exhibit good efficiency and minimum structural
disturbance.

Typical antennas are .02 wavelengths high, 1/8th inch at “L” band.

An airborne, electronically steerable array for VHF, satellite applications is described.

Introduction    The current discontinuity device in its simplest form consists of small,
series connected, formed coupling loops which lie parallel to a transmission line element
with the coupled loops resonated by a capacitor. The device acts to impede the current
flow in the centered conductor and its operation is enhanced by resonating the coupling
elements at the desired frequency, thus provide a rejection “trap”. Basic uses of this
configuration are as a wave trap on an antenna structure and as a band-reject filter in a
coaxial configuration. In both of the preceding applications it can be seen that the
approach allows the center conductor to remain structurally undisturbed and
experimental tests have shown that the physical arrangement illustrated in Figure 1 is
sufficient to efficiently and effectively “couple” to the transmission line.

Under circumstances where the center conductor is of such a size that the total length of
coupling elements required to surround the conductor might begin to exceed self-
resonance, the paralleled inductance counter-wound configuration of Figure 2 may be
utilized. This arrangement also allows the two terminals to be physically separated which
is an attribute for high power applications. Figure 2 illustrates that the current
discontinuity device is capable of being used around a structure of significant size. For
structures greater than a portion of a wavelength; antennas must be constructed, as
illustrated in Figures 3 and 4, where by paralleling many elements, a structure with a
circumference greater than a wavelength can be properly excited. In this case, as well as



3 B. J. Bittner: Paper presented at Thirteenth USAF Symposium, October 1963, titled: “Current
Discontinuity Devices”.

for the small structures, the device becomes a means for exciting the aircraft skin. A
most important application for telemetry antennas is shown in Figure 3, wherein it has
been found that a figure of revolution is not essential and thus a linear section, 8 /2, of a
missile or aircraft can be excited by a small flat coil, C-DD, without structurally or
electrically removing a section of the airframe.

The C-DD operation is most easily described as that of a PF transformer3 coupling from
a multi-turn primary to the elemental half-turn secondary - in this case the missile or
aircraft skin. This electrical perturbation of the aircraft skin’s impedance when
compounded by many closely spaced in-phase coupling elements results in a region of
the surface being highly excited by the series-fed primary coil. The coil in this case takes
the form of short (.098) lengths of “strip-circuit” transmission lines laying side by side
against the insulated skin. Each coupling element loops up and returns to the next
element, etc. As the total number of “turns” approaches self resonance for the highest
design frequency, this particular group of turns terminate and a new group initiates. In
this way the groups are all connected in parallel and at resonance all elements are
essentially in phase. As a receiving structure the assembly of elements couple to currents
flowing in the aircraft skin and in transmitting the elements excite currents in the skin
which then radiates - with patterns nearly identical to those which would be generated by
a slot-cavity structure mounted at the same location.

Specific Adaptations For Telemetry    This development has resulted in a low-depth
class of flush and semi-flush antenna with pattern and polarization similar to that of a
typical slot antenna. Thus, the radiation patterns can be predicted and calculated for
cylindrical vehicles in the same manner as a slot. Since the miniature C-DD requires no
“back-up” cavity the internal penetration depth is drastically reduced and structural
problems may be significantly reduced. For applications where a slight protrusion or
fairing can be permitted a C-DD antenna could be streamlined and built of high
temperature materials so that it could be attached to the skin of a missile requiring only a
feed connector cutout. The height of the fairing would be less than 0.125" high for “S”
band applications. An antenna of this type was used in the following evaluation. The
element used was tuned for 1100 mHz and was dimensioned as follows:

“S” Band Equivalent
1100 mHz Model 2200 mHz - 2300 mHz

Length 5.5    inches 2.75"
Width 0.625inches 0.313"
Height 0.125inches 0.063"



Wavelength at 1100 mHz 8 = 10.73 inches
Length of the antenna = 0.512 8
Width = .058 8
Height = .0116 8

The cylinder for ka = 7 at 1100 mHz is a 2X scale model mockup to determine the
patterns for a 12 inch cylinder at 2200 mHz.

Figure 5 is a vertically polarized radiation pattern of a C-DD antenna mounted transverse
to the longitudinal axis of the cylinder. The M pattern is around the cylinder and the 2
pattern is in the plane of the E vector. This particular pattern indicates that four antennas
properly phased at 90E intervals would give an acceptable radiation intensity around the
cylinder. The C-DD antenna measures 1.5 dB over a tuned stub mounted on the same
cylinder as shown in Figure 6. The pattern of Figure 5 will broaden considerably for a
structure of much greater length. The cylinder used in this case was 19.5" long (less than
28) and is not considered valid for a much longer cylinder. It is to be expected that for a
much longer cylinder the pattern would become broader. The magnitude or ratio of
minima to maxima would decrease and the fore and aft nulls would start to fill in.

Specific Systems    The following photographs Figure 7 and 8 and the dimensional
drawing Figure 9 illustrate a 2150 mHz flush antenna and its characteristics for an
aircraft belly-mount application. The tuning unit is a simple stub coax capacitor and may
be replaced with a varactor for low power broad band tuning applications.

The active element structure remains flexible enough to be formed easily to large radii
structures and can be preformed for small radii structures. Typically a .010" to .020"
teflon spacer between the element and the aircraft skin furnishes proper spacing and
insulation sufficient for 1 KW peak power levels.

The 3 mHz bandwidth can be broadened by increasing the width of the structure,
however, the specific design applications to date have benefited by the relatively narrow
band. As a transmitting antenna this narrow band materially aids in suppression of
spurious radiation and in receiving applications the adequate but limited bandwidth
reduces RFI products from adjacent channel interference.

Array structures, using a system of axial and peripheral elements on a cylinder, have
been built at “L” band to achieve circular polarization and increased gain. This array
concept has been adapted for VHF frequencies as described in the following section.

A VHF 9 Element C-DD Airborne Array    Applications of the C-DD antenna at lower
frequencies results in some attractive semi-flush designs that are small enough to be



wrapped around fuselages, wings or tails. The specific 118 to 150 mHz antenna array
installation for the FAA was made as shown in Figures 10 and 11. The attachment was
made without any structural cutouts, modification or reinforcement to the aircraft other
than small screw fasteners and coax bulkhead connectors.

The system provides electronic remote control switching of the frequency and circularly
polarized beams to 5 pre-selected segments of the upper hemisphere. Two orthogonal
plane polarized, option modes were included for sampling the polarization from the ATS
satellite.

The four quadrant selectable beams and the overhead mode had peak gains of over
6 DBiso/cP and VSWR’s under 1.65:1. Nine elements were necessary since shadowing
required that some elements could only be utilized for Port or St’bd patterns.

The January, 1968 flight tests resulted in Q5x5 signals from the satellite. Limited
satellite availability has restricted the number of tests. The system installation has now
been flown over 500 hours.

Resume of C-DD Properties    The Current Discontinuity Device in its torroidal, wrap-
around design has proven useful for exciting structures without introducing structural
modifications and generally can be considered as a satisfactory, uni-frequency insulator
replacement. For lightning and spurious frequencies such an installation bypasses 20 to
100 DB of the off-frequency energy spectrum. Basically, the device acts as a current
equivalent of the parallel-resonant “wave-trap”.

The flat configuration where many coupling elements are fed in a desired phase
relationship creates an entirely new concept for the antenna designer to adapt to
structures that could not be altered sufficiently to permit installation of larger cavity or
protruding antennas.







FIGURE 6 STUB - C-DD COMPARATIVE FIGURE 5 E-H PATTERNS ON A CYLINDER
PATTERNS



FIGURE 7   BACKVIEW
C-DD FLUSH MOUNT ANTENNA

FIGURE 8   FRONT VIEW
C-DD ANTENNA



FIGURE 9  DIMENSIONAL DETAIL

FIGURE 10  VHF ANTENNA INSTALLATION



FIGURE 11  C-135 INSTALLATION PHOTOGRAPH



DESIGN OF AIRBORNE S-BAND TELEMETRY ANTENNAS

H. D. WEINSCHEL
Physical Science Laboratory
New Mexico State University

Summary    The change from VHF to UHF for telemetry requires new antenna designs
rather than the scaling of the antennas now used for the UHF frequencies. The reason for
this is that the vehicle dimensions at UHF, in particular the rocket diameters, will be of
the order of several wavelengths.

A common method to obtain a nearly omnidirectional radiation pattern at VHF is to
mount two or four element antenna arrays on the vehicle. This is sufficient since the
wavelength for the presently used telemetry frequencies is approximately 50 inches and
the array spacing rarely exceeds a half wavelength. The radiation pattern from such
closely spaced unit radiators exhibits only minor scalloping which does not present a
problem in the data acquisition. At the UHF frequencies, the array spacing, in
wavelength, is increased by a factor of ten resulting in an interference pattern with
narrow lobes and deep nulls.

If the mechanical design limitations permit it, it is possible to design unit radiators which
will give cardioid or nearly omnidirectional patterns for a single polarization component.
Two such antennas are described. They are the axially mounted turnstile and the radial
waveguide antennas.

Axially Mounted Turnstile Antenna    The design problem is to obtain a cardioid
shaped antenna pattern for the right circularly polarized radiation component for a 1.72
wavelength (8) diameter rocket. The pattern is to be N - symmetric, i.e. symmetric about
the vehicle axis, and the scalloping should not exceed 7 db.

Various arrays mounted on the vehicle surface gave unsatisfactory results. Six element
arrays with an element spacing of 0.98 produced interference nulls. Arrays with more
elements and an array spacing of approximately 0.58 would have resulted in smooth
patterns but would not have given the desired pattern shape. If the array is fed in phase,
the pattern will have nulls along the vehicle axis due to phase cancellation, as can be
seen from symmetry considerations. If the array is fed in quadrature for a right circularly
polarized wave in the aft (2 = 180E) direction, the array will tend to present a large
aperture in that direction and the pattern will consist of a narrow beam and will not have



the required signal in the plane normal to the vehicle axis (2 = 90E plane) which would
be obtained with cardioid shaped pattern. The possibility of using unit radiators which
are highly directive in the 2 = 90E plane was not explored in detail. It is still under
consideration, but at this time the use of twelve or sixteen element arrays and
correspondingly larger ones for larger diameter vehicles and their associate complex
phasing harnesses is very unattractive.

The cardioid shaped radiation pattern is easily obtainable with vehicle mounted
antennas, i.e. mounted on a cylindrical surface, if the vehicle diameter is approximately
one-half wavelength. Essentially one chooses a unit radiator that produces field
components parallel and normal to the vehicle axis and phases the antennas in
quadrature. Thus the problem is reduced to finding an antenna that will produce a
rotating E vector inclined to the vehicle axis and with the phase center along the vehicle
axis.

The first model for obtaining this field configuration consisted of a four element array of
quadraloop antennas. A section of the vehicle wall was removed and replaced by an R. F.
transparent fiberglass cylinder. The ends of the section were closed off with metallic
plates. An aluminum tube, approximately one-half wavelength in diameter, was placed in
the section so that its axis coincided with the axis of the cylinder and with ends of the
tube shorted to the metallic plates. The quadraloop antennas were mounted
circurnferentially on the tube in 90 degree intervals and fed in quadrature.

The optimum plate separation was obtained experimentally by measuring the radiation
patterns for various spacings. At the correct spacing a very nearly cardioid pattern was
obtained.

One problem occurred during the measurements that caused some frustration. Only one
two-foot long section of fiberglass tubing was available and since the required length
was unknown we were hesitant about cutting it into smaller sections. It was simply left to
overlap the metallic vehicle cylinder. As a result the early patterns showed a main beam
in the aft direction with little signal in the 2 = 90E plane. During one of the pattern
measurements, Mr. Lanphere thought of covering the excess fiberglass with aluminum
foil which resulted in rather drastic and pleasing changes in the pattern.

Once the design approach had been experimentally confirmed, the remaining task
consisted-mainly of the mechanical integration of the antenna with the vehicle and of
finding a somewhat less clumsy method of generating the desired field. A turnstile
antenna with its elements inclined in a 45E angle with respect to its axis was a natural
choice. The antenna was mounted on the forward plate and tuned to radiate in right
circular sense in the aft direction of the vehicle. The fiberglass radome was considered to



have insufficient strength to support the bending moments associated with the vehicle.
The additional support was obtained by constructing a squirrel cage type stainless steel
structure. Its effEct on the radiation pattern was minimized by choosing a strut spacing
of approximately onehalf wavelength and a strut diameter of 0.1 wavelength. The strut
length which is equal to length of the cavity is 1.3 wavelength. The flanges required to
mate to the vehicle add approximately an additional six inches to the length of the cage.

The impedance and pattern bandwidth of the antenna is 0.1 GHz which covers the
telemetry band at S-band.

The antennas were used on three vehicles and performed satisfactorily on all three
flights.

A photograph of the squirrel cage structure with the turnstile antenna encapsuled in FPH
foam is shown in Figure 1. A representative power contour graph for the right circular
polarization component is shown on Figure 2. The coordinates are such that the nose of
the vehicle is at 2 = 0E.

More recently this antenna configuration has also been tested on a fifteen inch diameter
cylinder. The dimensions of the squirrel cage, except for the diameter, are identical. The
number of support rods were increased to keep the spacing between them to
approximately one-half wavelength. The main effect of the larger vehicle diameter and
therefore greater diameter of the end-plates in the cavity is that the pattern changes from
cardioid to hemispherical.

The two objectionable features of the antenna are the length of vehicle extension
required and the weight of the squirrel cage structure and the fiberglass radome. In the
following paragraphs a radial waveguide antenna design will be discussed which,
depending on the trajectory of the vehicle, may be preferable to the turnstile antenna.

Radial Waveguide Antenna    The radial waveguide antenna design is still in the
development stage. However, enough data has been obtained from prototype models to
design a flight model. The intended use of the antenna is for telemetry from rockets at S-
band. The desired radiation pattern is to be nearly omnidirectional for one polarization
component since the ground system will not have polarization diversity.

The antenna consists of two parallel, circular., 15 inch diameter plates shunt fed at the
center. The plate separation is 0.5 inches. The cylindrical rocket body extending to either
side of the antenna modifies the radiation pattern significantly and has to be considered
as a part of it. It is, therefore, possible to regard the antenna as several wavelengths thick
and long dipole. The cylindrical sections are fastened together by 16 each, 3/8 inch



diameter steel rods. The rods are electrically shorted to the plates. The antenna
impedance match is obtained by a dielectric,circular disk that is placed between the
waveguide plates concentric with the feed.

The pattern is linearly polarized with all of the power in the E2 component. A sketch of
mockup configuration and its position in the coordinate system is shown in Figure 3. The
power contour graph of the radiation pattern is shown in Figure 4. As can be seen on the
graph, the gain with respect to isotropic varies from -4 db to +4 db over almost the entire
sphere except within 2 degrees of 2 = 0E and 2 = 180E where the nulls occur.

All pattern measurements were performed on the 100 ft. long model range. Item four (4)
in Figure 3 indicates that no specific standing wave tests were made. However, the
mirror images of the patterns indicated that the standing wave was probably within ± 1.5
db. The antenna gain was obtained by comparing the test antenna:-to a standard gain
horn, SGH 1.7, which has a gain of ± 16 db with respect to isotropic. The gain level for
the recording was set so that the number 10 in the graph corresponds to isotropic and
decreases for increasing number values.

The main advantages of waveguide over the cage antenna are that the required length
and weight of the vehicle extension is reduced, and that for a given polarization the
pattern coverage is more complete especially for vehicles with 15 inch or greater
diameters. A major disadvantage is that the nulls occur in the fore and aft direction of the
vehicle. This excludes the antenna from use on flights for which only one ground station
is available, and the flight trajectory is such that the aspect angle is near 2 = 180E.

In the flight configuration the steel rods supporting the waveguide will be replaced by
thin walled tubing to serve as electrical conduits, and the waveguide will be supported
by a fiberglass cylinder which will replace the metal hull of the rocket.

Variations of the design are still being tested in an attempt to reduce the nulls along the
vehicle axis.
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FIGURE 1 - ENCAPSULATED TURNSTILE ANTENNA WITH
CAGE BUT WITHOUT RADOME



FIGURE 2 - POWER CONTOUR GRAPH FOR THE RIG HT CIRCULAR POLARIZATION
COMPONENT OF THE TURNSTILE ANTENNA.



FIG. 3 - COORDINATES FOR THE RADIAL WAVEGUIDE ANTENNA
PATTERN MEASUREMENTS.





FIGURE 5 - FOUR ELEMENT QUADRALOOP ARRAY

FIGURE 6 - TURNSTILE ANTENNA BEFORE ENCAPSULATING
IN FPH FOAM



FIGURE 7- IMPEDANCE VERSUS FREQUENCY CHART FOR THE
MODEL 34.004 TURNSTILE ANTENNA



FIGURE 8 - VEHICLE MOUNTED ON THE 80 FOOT HIGH TOWER
FOR PATTERN MEASUREMENTS



FIGURE 9- ANTENNA PATTERN



THE SUN AS A CALIBRATION SIGNAL SOURCE FOR
L- AND S-BAND TELEMETRY

W. R. HEDEMAN
Manager of Telemetry and Instrumentation Section

Aerospace Corporation
San Bernardino, California

Summary    One of the major problems confronting a telemetry receiving station is that
of self calibration, particularly an end-to-end calibration, on a frequent and routine basis.
For this purpose an external signal source is needed, preferably one in the far field of the
antenna. The sun is such a source for L- and S-band systems--its usefulness depends on
knowledge of its emission at the time it is used, since it is a variable source.

Examined here are the characteristics of the sun as a source of electromagnetic energy in
the 10 centimeter region, and the methods by which it could be used to determine
receiving system noise temperature. Limitations of the methods are also described.

Discussion    The most rigorous calibration of a telemetry system requires a far field
source free of multipath transmission phenomena producing a known field intensity at
the receiving antenna aperture. The source should be modulated to simulate an actual
operation, and the receiving system should be in the operational configuration.
Performance of the system should be measured at the output terminals of the system,
usually a playback from a magnetic tape. (Ref 1. )

For a 24-ft diameter receiving antenna at 2250 MHz a source would have to be at least
2500 ft distant to be in the far field. At this distance, it would have to be at least 60 ft
above the local horizon to place the first antenna minimum above the horizon. These are
formidable and expensive constraints, particularly for mobile stations.

An alternative to system calibration in one step is to calibrate in two steps. This is
possible since the noise performance of the system is principally determined in the radio
frequency circuits. The principal variables are antenna efficiency, transmission line
losses, and preamplifier noise temperature, if one assumes that local electromagnetic
interference has been controlled and reduced to a negligible value. The wide band
characteristics of the circuit elements involved make them generally insensitive to signal
characteristics. (One should question the intermodulation characteristics of the 



preamplifier if numbers of carriers are used in a particular operation, but this can be
resolved independently of a noise performance test. )

In addition, changes in performance of radio frequency circuit elements usually occur
slowly. The principal effects are due to local weather (temperature, precipitation,
humidity) and constituents of the local atmosphere (corrosive gases and dust).
Calibration of this portion of the system needs to be performed periodically, but not
necessarily prior to each operation. Calibration should certainly be accomplished
whenever the system is maintained, repaired or overhauled.

Provision should also be made for determining system performance in an operational
configuration as recommended by Nichols. (Ref. 1. ) For this test the signal can be
injected at the pre or postamplifier input terminals, with the former to be preferred, via a
directional coupler.

Alternate candidates for the far field signal source for system noise calibration have been
considered. The obvious candidate is a calibration satellite in a polar orbit, which would
be visible two to four times each day from every telemetry station on the surface of the
earth. Scheduling and on-off control by command would be required since it does not
seem to be reasonable to provide battery reserve for continuous operation. An ephemeris
would be needed to calculate pointing information- -computer generated angles for each
telemetry station requiring calibration might be desirable. Once a calibration satellite
became standard, such services should not be denied for periods in excess of one week;
i.e., the time between the demise of one and the appearance of its replacement in orbit
should not exceed one week, and should preferably be considerably less.

The sun, and other stars, represent available sources of wideband energy in the L- and S -
bands. The sun is perhaps the most applicable, since the level of emission, even during
quiet periods appears to be more than adequate to calibrate receiving antennas as small
as 6 ft in diameter. The angular size of the source is such that antennas as large as 60 ft
in diameter can use the source. Between these two limits of size one finds the great
majority of telemetry receiving antennas. The few larger antennas have adequate aperture
to use radio stars other than the sun, as for instance Cassiopeia A, for calibration.

The sun, however, is a variable source, and the accuracy of measurements depend upon
knowledge of the sun’s activity at the time it is used. Solar radio astronomers around the
world have the sun under continuous observation in the decimeter region, and the
accuracy of the data is limited only by the accuracy with which each solar observatory is
calibrated. Calibration errors, in general, are less than those which would be associated
with a calibration satellite when one considers the uncertainties of power output, antenna
patterns, and vehicle attitude.



Characteristics of Solar Emission in the 10 Centimeter Region    Solar emission in
the decimeter band consists of three basic components: (1) radiation from the “quiet”
sun, (2) a slowly varying cornponent which changes with sunspot number, and (3)
occasional radio bursts which last from several seconds to several hours. Throughout the
band for all three components the spectrum is essentially continuous, i.e., featureless in
the frequency domain, and is basically randomly polarized. (Hachenburg in Aarons,
Ref. 2.)

Radiation from the quiet sun is considered to be the level which would be observed if
there were no sunspot activity, and in the decimeter region is approximately 70 flux units
during the minimum of the sunspot cycle. (One flux unit = 1022 watts m-2 Hz-1.) The
radiation level published by solar astronomers is that which would be observed just
outside of the sensible atmosphere of the earth.

The sum of quiet sun radiation and the slowly varying component is shown in Figure 1,
together with sunspot number. Correlation of the variation is evident. Figure 2 shows
monthly maxima and minima. The monthly minimum is a rough approximation to the
quiet sun level. Hachenburg (Aarons, Ref. 2) estimates an average error of daily
measurements to be ±4 percent based on a comparison of results from different places at
nearly the same frequencies. Covington (Ref. 3) estimates “Constant errors associated
with the absolute measurements of flux” to be ± 7 percent.

Radio bursts or sudden enhancements are usually associated with solar flares--great
bursts always, small bursts sometimes. Figure 3 shows the distribution of burst
intensities observed at Ottawa by Covington (Ref. 3) over a period of years.

The sun is useful, then, as a source of calibrating signals. The accuracy with which it can
be used depends on knowledge of the level of activity at the time a calibration is made.
The sun is under constant observation by solar observatories around the world. If four or
five of these provided continuous coverage (each could observe for at least six hours
each day) of the sun in the L- and S-telemetry bands, and were connected into essentially
real time communications network available to telemetry receiving stations, knowledge
of total solar flux would be as good as the calibration of the active observatory at any
time. To simplify the system somewhat, receiving stations might calibrate on the hour
sometime between 0900 and 1500 hours local time. Only hourly observatory readings
would then be needed on the communications network.

Twice daily readings of total solar flux at 10.7 cm are made at Ottawa by the National
Research Council, and are made available on a national teletype service by the
Environmental Sciences Service Administration from Boulder, Colorado. These daily
readings contain the quiet sun component and the slowly varying component. If one
knew that solar flare activity was not in process at the time of a calibration, this daily



total flux value could be used. An examination of the daily readings for the last half of
1957 (Ref. 4), during the sunspot maximum, shows a maximum change from one day to
the next of approximately 10 percent.

Due to broad band characteristics of solar radio noise in the decimeter region some
authors indicate that interpolation between spot frequencies may be used to determine
solar activity at other frequencies in the band. However, the errors associated with this
approximation seem to be uncertain. The better procedure would be to make
observations in the assigned L- and S-telemetry bands.

Calculation of System Noise Temperature    If a highly directive pencil beam is
pointed at the center of a radio source which is a circular disk of angular diameter 2d

with uniform brightness temperature Td, and the background brightness is zero, the
observed antenna temperature TA due to the radio source is:

(1)

where 0r = the radiation efficiency of the antenna
 f ( 2 , N ) = the radiation power pattern of the antenna

normalized with respect to the maximum
radiation intensity

 dS = an element of solid angle
 = sin2d2dN .

The antenna solid angle  SA is given by

(2)

It is well known in antenna theory (Ref. 5) that

(3)

where 8 = wave length
       Aem = the maximum effective aperture of the antenna.



If the solid angle subtended by the disk is Sd then Equations (1) and (2) become

(4)

or

(5)

The radiation from the disk is randomly polarized, and the antenna is assumed to be a
single polarization. The flux density of the radio source is:

(6)

(7)

where K = Boltzmann’s constant.

Substituting the value of Td from Equation (5) in Equation (7), using SA from
Equation (3)

(8)

A correction factor is now defined as

(9)



and Equations (5) and (8) become

(10)

(11)

The correction factor becomes unity when the source is so small that f(2, N) is unity over
the disk. When this is not the case, the surface integral in Equation (9) must be
evaluated. Ko (Ref. 6) has performed this calculation for three representative power
patterns. Table I summarizes his results.

The distribution of temperature over the solar disk is not uniform at 10 centimeters
wavelength. Figure 4 shows calculated values of brightness temperature as a function of
distance from the center of the optical disk. It is seen that the radio disk is slightly larger
than the optical disk, at 10 centimeters, and that some brightening occurs near the edge
of the optical disk (limb brightening). Though it is not shown, limb brightening in the
polar regions is different from that in the equatorial regions.

When the temperature distribution is not uniform over the surface, the more exact form
of Equation (1) is:

(12)

When the temperature distribution and the power pattern are known, Equation (12) can
be evaluated for a particular case.

The observed antenna temperature, TA, is that which would be seen by the actual antenna
if it was located just outside of the sensible atmosphere. If the actual antenna is pointed
away from the sun, assuming side lobe levels do not contribute materially to system
noise temperature, this temperature is:

(13)



If the antenna is now pointed toward the sun, the system noise temperature is:

(14)

where TC = cosmic noise temperature
Tat = atmospheric noise temperature
Tg = environmental noise temperature, principally

through side and back lobes from the earth
Tr = noise temperature contribution from the receiver, referred to the

antenna input terminals
,at = atmospheric transmission efficiency,

and the subscripts 1 and 2 refer to a main lobe direction away from the sun and toward
the sun, respectively.

If we assume that cosmic, atmospheric, and environmental noise do not change between
the two observations, then

(15)

if P2 and P1 are the predetection power outputs from the receiver corresponding to the
two pointing directions, and the available system gain does not change between the two
observations, then

(16)

or

(17)

TA is calculated from Equation (11) and Table I, or more exactly from Equation (12), if
necessary, and TS1 can be determined.

If all observations are made with pointing angles of less than 45 deg away from the
zenith the principal noise contribution to TS from sources other than the receiver will be
environmental noise. The sum of cosmic, atmospheric, and environmental clear sky noise
temperatures for simple parabolic antennas at S-band has been estimated to be between
40EK and 50EK for a receiving station located on land, and perhaps as low as 100K for a



receiving station located on water, or above a reflecting ground plane (Refs. 8 and 9). At
angles near zenith atmospheric attenuation at S-band is negligible (Ref. 10). Therefore,
the principal noise factor in TS1 for the majority of telemetry stations will be the receiver
contribution.

In the day to day calibration of telemetry receiving stations, one is interested principally
in any change in calibration, not necessarily in an absolute calibration. It will usually be
sufficient to calculate TS1 as in Equation (17), rather than attempting to calculate receiver
noise temperature or noise figure, though this may be done if detailed receiving system
characteristics are available.

From the work of Ko (Ref. 6) the antenna correction factor, L, may be assumed to be
unity for antenna (maximum) gain less than 40 db, and a correction factor applied for
antennas with gains not exceeding 50 db. For antennas with gains in excess of 50 db, the
actual antenna power function may be convolved with the actual temperature brightness
distribution over the sun to obtain antenna temperature. However, for these larger
antennas it may be possible to use weaker sources such as the moon or radio stars.
Castelli (Ref. 11) calibrated an 84-ft dish against Cassiopeia A, and using Ko’s
correction factor obtained solar flux measurements which agreed reasonably well with
measurements made by Covington at Ottawa.

For smaller antennas and higher noise figure receivers, the power ratio P2/P1 (Equation
16) will approach unity, and the calculation of system noise temperature will become
inaccurate. At 10 cm the sunspot minimum quiet sun noise temperature is approximately
250EK per square meter of effective aperture for a single polarization. If

the percentage error in TS1 due to power measurements will be less than twice the
percentage error in P2/P1 during the sunspot minimum, and even less as the sunspot cycle
proceeds. The smallest antenna which can be calibrated successfully using this method
will depend upon the receiver noise figure, the gain stability of the receiver between the
two measurements, and the constancy of noise contributions other than those due to the
sun between the two measurements. It is estimated that, when using room temperature
parametric amplifiers, effective apertures of somewhat less than one square meter can be
calibrated.

The Effect of the Sun on Mission Planning and Antenna Design

For larger apertures and low noise figure receivers solar noise can be very important, and
could seriously affect daytime system performance. Several currently planned antennas
will be 80 ft in diameter, with a receiver noise figure of 1.6 db. The quiet sun main lobe



noise temperature would be 50,000EK, and the disturbed sun could contribute 1.5 x
106EK. The receiver noise temperature (equivalent to a noise figure of 1.6 db) is 130K,
and other factors might increase the system noise temperature to approximately 200EK.
To reduce the solar noise temperature to a reasonable value, say 50EK (equivalent to 1
db loss in system performance), requires 30 db of sidelobe suppression during the quiet
sun, and 45 db of suppression during the disturbed sun. It is evident that major side lobes
(less than 30 db below the main lobe) should not transit the sun at critical times in a
mission during the quiet sun. During the disturbed sun, it appears that daytime system
performance could be degraded somewhat at all times, and as much as 9 db when a
minor lobe sun transit occurs.

Even modestly sized apertures should not transit the sun with the main lobe at critical
times in a mission. Apertures of slightly less than one square meter, when used with a
1.6 db preamplifier, will suffer an effective 3 db loss in system performance if the main
lobe transits the quiet sun.

It seems evident that L- and S- band telemetry antennas are much more critical with
respect to side lobe suppression, because of the sun, than their VHF counterparts. Failure
to provide close to optimum side lobe suppression may constrain or even inhibit daytime
telemetry missions, particularly when the sun is disturbed.

Conclusions    The sun provides adequate energy for the calibration of the majority of L-
and S-band telemetry receiving antennas, and may be considered to be a point source for
receiving antenna gains of less than 50 db. The accuracy of calibration is limited only by
the accuracy of calibration of solar radio observatory antennas. If solar observatory
readings are made available for use via a real time, or reasonably short delay,
communications link, the sun would be equal to or better than a calibration satellite in
terms of accuracy of calibration and information available.
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TABLE I
CORRECTION FACTOR FOR ANTENNA POWER PATTERN

Values of correction factor, L, as a function of 2d the angular diameter of the source, 2H 
the half-power beamwidth of the antenna, and the antenna power pattern. For 2d/ 2H < 1
the expression L – 1 + 0.38 ( 2d / 2H)2  can be used for these three power patterns with
less than 2 percent error.



Figure 1.  The Slowly Varying Component of Solar Radio Emmission at 10.7 cm
From the Disturbed Sun (NRC, Ottawa) Compared with Zurich Numbers

Figure 2.  Plot of Monthly High and Low of 10.7-Centimetre Solar Flux.
(Units are 10-22 watts/metre2/c./s.) (After Covington, 1960)



Figure 3.  Plots of Number of Bursts Observed in Four Intensity Classes.
(Units are 10-22 watts/metre2/c./s.) (After Covington, 1960)

Figure 4.  Calculated Distribution of Brightness Temperatures Across the
Solar Disk. The Solar Radius is that of the Optical Disk.

(After Smerd [Ref. 7])



(U) Figure 5.  Spectra of Typical Radio Sources (Ref. 10)



AN ADAPTIVE AIRBORNE VHF/UHF TRANSMITTER SYSTEM

E. B. FRANKE and W. F. TROVER.
Teledyne Telemetry Company

Aerospace Division

Summary     The impending 1970 change-over of telemetry RF links from VHF (215-
265 MHz) to UHF (1435-1545 and 2100-2200 MHz) requires a quantum jump in the
state-of-the-art of solid-state transmitters. This problem is compounded by the fact that
in certain instances, especially for spacecraft and special applications, there is still a need
for transmitters at many different VHF and lower UHF frequencies between 136 MHz
and 1 GHz. Therefore, the optimum RF product line is represented by a modular
transmitter system composed of fundamental building blocks which will permit the
assembly of transmitters capable of producing from 50 watts at 136 MHz to 1/2-watt at
5500 MHz with minimal variations in the over-all mechanical configuration. This
adaptive transmitter system must also be able to provide optional features such as power-
to-case ground isolation, modulation-to-power ground isolation, turn-on current limiting,
either frequency of phase modulation remote turn-on capabilities, and internal telemetry
functions of temperature, RF power, dc voltage.

Additional design requirements for such a transmitter system are wideband frequency
response and carrier deviation capabilities so that the transmitter may handle real-time
video signal for use with television, radar and infra-red transmission systems. This paper
describes the design alternatives and the conceptual approaches that were used in
development of such an adaptive transmitter system. Performance data presented is
typical of that achieved from L-band and S-band units.

Design Objectives    An analysis was made of the basic design alternatives in each of the
three critical areas of modulation technique, frequency synthesizing and the most
advantageous frequency for RF power amplification. The design objective was that the
basic circuits for the transmitter system would be essentially the same, with significant
differences being limited primarily to the frequencies used for RF power amplification
and the multiplication scheme used to obtain the carrier frequency. Each of the electrical
circuit concepts was also analyzed from the mechanical implementation viewpoint in
order to achieve a maximum degree of commonality of the end-item, regardless of the
carrier frequency and RF power level.



To allow circuit versatility, high volume production capability, and use of significant
product experience, the transmitters were designed for modular assembly. The modules
are; the frequency synthesizer, the power amplifier, the multiplier/filter assembly and
regulator/ housing assembly. The complete transmitter is offered in either a completely
sealed environmental housing or a smaller humidity sealed housing.

Modulation Techniques    Three basic modulation techniques were considered for the
transmitter-modulator. These are:

a.  The crystal pulling (VCXO) method,
b.  The closed-loop frequency correction method, and
c.  The open-loop heterodyne (FMO) method.

Crystal pulling is desirable for narrowband application as it affords good stability.
However, high bit rate PCM and wideband video requirements would eliminate the
selection of the VCXO modulators, since the crystal frequency cannot be pulled far
enough to provide the necessary carrier deviation and still maintain acceptable levels of
linearity and distortion.

The closed-loop method of frequency synthesizing is most desirable from the standpoint
of spurious products. It also presents the easiest method of obtaining the extremely
stringent carrier stability requirements of IRIG Document 106-66. However, it has two
principal drawbacks; (1) very complicated circuitry is required to provide frequency
response down to dc, and (2) the sophisticated circuitry involved adds significantly to the
cost and complexity (also reducing reliability). With the closed-loop technique additional
circuitry is also required to maintain frequency lock during wideband modulation.

The open-loop heterodyne method permits the use of a high frequency FMO, which is
capable of wideband (DC to 10 MHz) deviation characteristics. The use of a free-running
FMO, however, does somewhat complicate the temperature compensation requirements.
The problems of spurious response are minimized in the open-loop heterodyne
modulator providing the proper transfer ratio and mixer product separation are selected.

Balancing all three conceptual approaches against flexibility, cost, size, weight,
reliability and wideband response, the open-loop heterodyne frequency synthesis
technique affords the most reliable and trouble-free operation for high volume
production. This concept was also selected for the adaptive transmitter system as it
permits direct interchangeability of an FM synthesizer with a PM synthesizer.

Frequency Synthesizing    Closely interrelated with the selection of the basic
modulation technique is the choice of frequencies for the crystal and frequency
modulated oscillators. The crystal and FMO frequencies must provide the best



compromise between incidental FM and carrier stability with a minimum of spurious
products. It is also desirable to transfer the FM oscillator at the highest frequency
possible in order to obtain the least incidental FM and the best frequency stability. At the
same time, the greater the separation between the FMO and crystal oscillator products,
the easier it is to attenuate unwanted signals. Since these are divergent parameters, a
compromise is necessary. The frequency synthesis table shown on Figure 1 presents a
typical set of frequencies and multiplication factors which may be used in the
development of a single frequency synthesizer assembly, that in conjunction with the
proper passive multiplier (where required), will generate any carrier frequency from 136
MHz to 5.5 GHz.

Recently available components and new packaging techniques now permit the design of
free-running RF oscillator operating at frequencies up to 90 MHz with better than .005
stability. By cross compensating the FMO frequency drift with temperature to oppose
that of the crystal oscillator, it is possible to obtain a net frequency stability (excluding
dynamic environments) of better than .001% across a 75EC temperature range. L-band
transmitters have been delivered which exhibited carrier stability of better than
±0.0013% across a temperature range of -55C to +85C. A typical curve of carrier
stability versus temperature that has been achieved in production is shown on Figure 2.

One of the principal benefits obtained by using a high frequency FMO is that modulation
frequency response from dc to greater than 10 MHz can readily be achieved. A frequency
response curve of a video transmitter is shown in Figure 3. With this transmission
bandwidth capability, methods of communication become feasible that previously could
not be obtained with FM equipment. It is now possible to operate wideband solid-state
video systems such as the Teledyne microeye television camera (Model No. KXO-600)
with the transmitters to form a compact, and highly reliable video transmission system.
The wideband transmitter also provides a vehicle for recently available high speed PCM
systems such as TTC’s PCM system (the Model CT-200).

One of the principal criteria in the success of the FM versions of the adaptive
transmission system has been the use of a high-frequency FMO with an extremely well
decoupled modulation circuit. The higher frequency that the VCO is operated, the less
the change in capacity across the oscillator tank that is required in order to provide
wideband modulation. At the higher frequencies (above 50 MHz) it is only necessary to
use one variable capacitance diode in order to achieve the desired carrier deviation. This
diode in turn may be operated on a very narrow position of the )c vs. )e curve,
significantly improving linearity.

For example, an FMO operating in the vicinity of 75 MHz can be deviated ±2-1/2 MHz
with better than 1% linearity. When multiplied 4-times (as in an S-band transmitter) this
translates to a carrier deviation of ±10 MHz.



Measurement techniques limit the useful (accuracy in the) measurement of linearity. A
more meaningful measurement of transmitter performance is intermodulation distortion.
Although linearity and intermodulation (IM) distortion are related, intermodulation is a
more meaningful measurement considering applications requiring the handling of high
data rates. Low IM distortion is especially important for video and FM/FM systems. It is
very practical to design a high frequency transmitter with low IM distortion, however, it
cannot be achieved by adding multipliers to low frequency synthesizers that
fundamentally cannot produce extremely linear modulation characteristics. A typical IM
curve achieved on the adaptive transmitter modulator is shown on Figure 4.

As indicated by the curve, if the total number of modulating frequencies are increased,
while the total peak deviation remains constant, the number of intermodulation products
increase but their relative level decreases. Therefore, the less the deviation, the lower the
IM.

When greater long term stability is required and the characteristics of phase modulation
can be tolerated, the phase modulated synthesizer can be used. The phase modulator is dc
coupled to provide linear phase response from dc to greater than 5 MHz. The wideband
response of the phase modulator makes it ideal for use with high speed PCM such as the
TTC Model CT-200 10-megabit model PCM system. The phase modulator can also be
used with low frequency PCM systems or VCO’S, however, it is not practical for use in
wideband video systems.

A problem encountered at the higher modulating frequencies, is the phase shift as a
function shunt capacitance, caused by the modulation input or interconnecting
modulation cables. If cables longer than a foot are used, it becomes necessary to use a
low impedance driving source. An optional internal amplifier, with response from dc to 5
MHz, an input resistance greater than 2 megohms and an input capacitance less than 5 pf
(which is contributed mainly by the connector) can be supplied. However, the increased
cost and current drain, and this decreased reliability generally would not warrant the use
of the amplifier. If a short piece of cable were used in order to reduce the shunt capacity,
the benefit of the amplifier would be overcome. Therefore, it is more practical to use a
low impedance amplifier driving the line, eliminate the modulation input amplifier from
the transmitter and increase the input capacitance so that greater deviation sensitivity can
be realized. With a video response of 4 MHz and low IM distortion, the input
capacitance is typically 35 pf for an input sensitivity of .6 MHz/volt. Any lowering of
input capacitance is achieved at the expense of IM distortion or stability.

RF Power Amplification    Extensive investigation was made into the optimum
frequency for RF power amplification. For carrier powers up to 2 watts minimum at
frequencies below 2 GHz, or 10 watts minimum at a carrier frequency up to 800 MHz,
the optimum approach is to amplify at the carrier frequency. For higher power and high



frequencies, it is necessary at this time to perform the RF power amplification at dome
lower frequency and multiply with step-recovery diode multipliers.

One of the principal design considerations of the RF power amplifier is the need to attain
production repeatability with devices which typically have Beta variations between 15
and 130. Another consideration is the trade-off between the reliability derating
requirements for spacecraft applications, and the need to drive the high frequency
devices sufficiently hard so that no sub-chip instabilities are experienced, which would
result in sub-multiple harmonic oscillation of portions of the transistor and ultimate
failure of the device.

The final consideration from the production standpoint is the selection of amplifier
circuits with broad enough bandpass characteristics which will permit a 10-1 change in
the resonant frequency of the tank circuit and still use LC components which are small
and mechanically interchangeable. This complicates the problems of reflected impedance
and admittance which must be considered in the design of interstage coupling, even
though they become quite involved because the transistor parameters are both complex
and frequency dependent. To reduce the problems associated with interaction between
amplifier stages, each amplifier is double-tuned and mechanically shielded to prevent
electromagnetic coupling throughout the amplifier chassis. Double-tuned circuits,
although more expensive in production, provide the required bandpass characteristics
permitting the amplifiers to maintain good skirt selectivity. This is essential in order to
provide the wideband amplification characteristics associated with video modulation.

In the final design, each stage was tested for assurance that stable operation is obtained
at any collector voltage from 0-30 volts regardless of the drive and modulation
conditions. This includes operation with VSWR’s up to 50:1. Although every effort was
made to achieve maximum gain per stage no unreliable regenerative circuits such as
emitter tuning were used.

RF Power Stabilization    In order to minimize variations in RF output power as a
function of supply voltage changes in temperature, it is necessary to use both voltage
regulation and gain control in the RF amplifier chain. The supply voltage to the RF
power amplifiers must be clamped at the low-end supply voltage (plus peak negative
power line conducted noise) in order to eliminate any AM on the collector supply which
would appear as IFM, at the output of a series of cascaded amplifiers. This essentially
makes the transmitter a constant current device. It also minimizes the open-loop
compensation requirements necessary to offset the effects of power variations vs.
temperature.

As dc to rf efficiency is closely related to the variation in supply voltage, since at all
voltages above the minimum level represent power dissipated across the series regulator,



a dc to dc converter was considered. The gain in dc to rf efficiency by having a higher
(29V) collector supply, for all but the higher power units, is offset by the conversion
losses of the regulated converter. Also, when trading off cost, size, weight and reliability
against efficiency it was decided to use the clamp regulated B+ supply approach instead
of the converter.

Looking at typical efficiencies of an S-band transmitter using the frequency synthesis
and amplification frequencies shown on Table I, it may be seen that the range of supply
voltage variation has the greater effect on the lower power transmitters (0. 5 to 2 watts,
as shown on Figure 5). In the lower power transmitters the efficiency drops off because
the frequency synthesizer and voltage regulator become a more significant portion of the
total power consumed while contributing nothing to the output power. Above the 4-watt
region, with the synthesis techniques used, the efficiency begins to drop off due to the
operation of two or more devices in parallel in the final RF amplifier, in order to meet
reliability derating requirements. Both of these curves are moved upward on the ordinate
where the RF power amplification is performed at the output frequency.

With a highly stable RF amplifier, chain it is possible to use open-loop compensation
techniques to supplement the internal voltage regulators and restrain RF power
variations to less than 2 db across the combined variations in supply voltage and
temperature.

To prevent self destruction of the transmitter, the higher powered amplifiers incorporate
a temperature sensing element in the gain control circuitry to provide a reduction in
output power, when the chassis temperature has reached a pre-determined point.

At frequencies above 1 GHz, connector and cable losses can be significant. For module
interconnection within the transmitter, short lengths of low-loss cable have been used.
Although any type of rf output connector can be accommodated it is important to select a
low-loss connector such as the type TNC and calibrate all transmission cables for
insertion loss at the carrier frequency.

VSWR Considerations    With lower power transmitters it is possible to eliminate a
circulator and load and still provide for operation into high VSWR’s and an open- or
short-circuit as the antenna terminal. However, provisions must be made in the
mechanical design to incorporate a circulator and load in the higher powered transmitters
so that the final stage will not be damaged by operation under these conditions. A
circulator and load is also necessary for applications where several transmitters are
multiplexed to a single antenna, in order to minimize spurious signal generation. The
circulator also provides constant loading to the filter assembly so that external
impedance variations and spurious signals have no effect on filter performance.



Grounds Isolation    There are several methods of providing signal-to-case ground
isolation, the most common being a dc to dc converter for operation of the entire
transmitter. This, of course, is the most costly, bulky and least reliable solution, and as
discussed earlier was not selected for the adaptive transmission system.

Mica button capacitors can be used to isolate the dc ground. However, with this
technique it is difficult to guarantee over 1-megohm. dc isolation even with
preconditioning of the capacitors. The major drawback with this concept is the difficulty
in making repairs. When a capacitor becomes leaky, it is necessary to physically isolate a
parallel unit on a series buss, which is virtually impossible due to the inaccessibility of
many of these capacitors after the unit is completely assembled. The optimum solution
proved to be the use of a small, low-power converter for power to signal ground isolation
in the input stage, with electrical isolation of each of the subchassis from the housing for
power to case ground isolation. This, of course, implies the design of a case with a case
in order to meet the RFI requirements. Beryllium oxide isolators between the chassis and
the housing provide the power to case ground isolation. A low power, sine-wave
oscillator/rectifier, with secondary regulation, provides an isolated bias for the
modulator. This eliminates any switching spikes and their associated EMI problems.

Voltage Regulation    The rf power amplifiers must have as high a supply voltage
(noise-free) as possible for maximum efficiency. Some power line noise can be tolerated,
depending on the IFM limitations, therefore, it is not necessary to regulate well below
the low-end peak noise point. At the same time, the frequency sensitive portions of the
transmitter, (the synthesizer) cannot tolerate any supply line variations. For these
reasons, dual voltage regulators are necessary for optimum dc to rf efficiency.

A clamp regulator set to the user’s low-line voltage plus peak negative noise is used to
supply the rf power amplifier assembly. This provides the PA with the highest collector
voltage available for a particular application. A smaller regulator, operating in the
vicinity of 17-19 volts, is used to power the frequency synthesizer so that none of the
frequency sensitive portions of the transmitter are affected by variations in the supply
line voltage. In the packaging of the dual regulators, space is allocated for the
incorporation of reverse voltage protection and low-level control logic for remote turn-
on control. Provisions are also made for current limiting and restriction of rate of change
(current). This is especially important in the higher powered transmitters where it is
necessary to limit the current at turn-on in order to meet restricted battery buss load
capacities.

Frequency Multiplication    For transmitters where the output power level and/or the
carrier frequency is beyond the present capabilities of the state-of-the-art
semiconductors, it is necessary to develop the RF power at a lower frequency and



multiply the frequency with step-recovery diodes. Here there are two fundamental
approaches which can be used as far as the mechanization of the multiplication circuitry.
One is to incorporate the diodes in a stripline multiplier circuit; the second is to use
coaxial cavities. Each approach has advantages and disadvantages (detailed in several
papers) so that selection of the concept used for the adaptive system was based primarily
on the best efficiency, best heat transfer, mechanical rigidity, and the compatibility of the
mechanical configuration of the frequency multiplier with the rest of the transmitter
subassemblies. The frequency synthesizer and RF power amplifier chassis and housing
were designed in such a manner that in versions where frequency multiplication is
required, the optimum mechanical configuration (32 to 42 cubic inches) with RF power
levels up to 10 watts at frequencies above 1 GHz is achieved by using coaxial cavities.
The principal advantage of the coaxial cavity in the adaptive system is that a single
cavity can be used for all frequencies from 1000 MHz to 2.5 GHz with very little
degradation in multiplication efficiency. This allows the fabrication of a single
mechanical structure for the multiplier subassembly all transmitters requiring passive
frequency multiplication. A smaller cavity of course is used for carriers between 2.5 GHz
and 5.0 GHz. The primary variations in any of the cavity Multipliers are whether there
are 1 or 2 frequency multiplication diodes (cascaded) used, and whether each diode is
used as a doubler or a tripler (reference Figure 1).

Triple-tuned bandpass filters were used following the crystal multiplier and the mixer in
order to provide the narrow passband characteristics necessary to reject all products
other than the desired frequency. This permits the establishment of the spurious response
characteristics in the low-level stages of the transmitter, so that the output filter need
only attenuate harmonic energy (a bandpass filter for step-recovery diode frequency, and
a low pass filter for units performing RF power amplification of the output frequency).

In transmitters using passive frequency multiplication, a triple-tuned bandpass filter is
incorporated between the multiplier cavity and the circulator and load in order to
attenuate the unwanted harmonics to acceptable EMI levels. Of course, in the lower
powered transmitters where frequency multiplication is not required, a low pass filter is
substituted in place of the bandpass filter as only harmonic energy from the RF power
amplifier chain need be attenuated (spurious response is established within the frequency
synthesizer chassis). A block diagram of a typical FM S-band transmitter is shown on
Figure 6.

Mechanical Design Considerations    In order to minimize the mechanical
configurations in a transmitter system with this broad a range of carrier frequencies and
RF power levels, it is necessary to divide the transmitter into fundamental functional
blocks. These are the voltage regulator, the frequency synthesizer, the RF power
amplifier, the frequency multiplier/filter (where required) and the housing.



The frequency synthesizer is essentially a complete low-powered transmitter tha
provides from 20 to 100 milliwatts drive power for the RF power amplifier assembly. In
the open-loop heterodyne FM version the synthesizer consists of an FMO and buffer, a
crystal oscillator, a crystal multiplier, a mixer amplifier, and two stages of amplification
at the desired output frequency (the PA drive frequency). In the PM version a lower
frequency crystal oscillator is followed by a phase modulator and multipliers to generate
the PA drive frequency and two stages of power amplification.

Two basic chassis were designed for the RF power amplifiers. They are essentially
identical except that one chassis contains six stage (for the higher powered transmitters),
while the other chassis has a capacity of up to 5 stages (for the lower powered
transmitters). This packaging concept produces certain size penalties for the 1/2 to 2-watt
transmitter. However, it provides a high degree of production commonality so that a
2-watt transmitter may be offered in a larger housing at a lower price than a transmitter
which is packaged for minimum size and weight.

Each stage of the power amplifier chain is packaged in a completely isolated section of
the PA chassis. Feedthrough coupling capacitors are used for interstage connection so
that when the PA chassis is mounted within the housing, there is no possibility for
electromagnetic coupling around any of the stages of the cascaded PA string. Provision
is made underneath the final amplifier transistors for the hot spot telemetry thermistor.

Several different regulator configurations have been designed depending upon
theminimum power level of the transmitter and whether or not the ancillary functions of
remote turn-on, internal voltage telemetry, current limiting and reverse polarity
protection are required. Essentially all of the regulator assemblies are composed of two
series regulators; the clamp regulated series regulator for the power amplifier chain and
the 17-volt regulator for the frequency synthesizer chassis. All regulator subassemblies
have been packaged to be mechanically interchangeable within the transmitter housing.

The frequency multiplier/bandpass filter chassis uses quarter-wave, foreshortened
coaxial cavities. The cavities are mac ined from a single block of aluminum in order to
minimize detuning effects caused by the broad variations in temperature to which the
transmitter is subjected. The step-recovery diodes are mounted within the cavity walls
(the input and output walls of the multiplier cavity) in order to optimize heat transfer
from the diode to the housing.

Space has been allocated within the transmitter housing to insert a 20-watt circulator and
load between the output of the coaxial cavity bandpass filter and the RF output connector
on the housing. This allows the circulator to be incorporated in all versions of the
transmitter where several transmitters are to be multiplexed to a single antenna, (in order
to minimize intermodulation distortion) even though the lower power units do not
require open- and short-circuit protection to prevent damage. The circulator, of course, is



included as standard in the higher power transmitters.

The housing for the transmitter is divided into three basic cavities; one for the frequency
synthesizer, one for the voltage regulators, and one for the power amplifier and
frequency multiplier chassis. Mechanical and electrical isolation is obtained between
each of the three cavities in the housing. When the chassis are installed in the housing,
all the tuning adjustments are accessible so that tune-up may be accomplished through
access holes in the special test housing covers. In this manner there is a minimum
interaction between the final tuning process and the performance achieved when the
permanent covers are installed. Production test parameters have been established so that
all four of the major transmitter subassemblies can be assembled and tested on an
individual subassembly basis. This minimizes the final acceptance test time after each of
the subassemblies is married within a single housing.

The housing has been designed with two different types of case sealing. One is for short-
term missile flight where the transmitter only operates in a vacuum environment for a
short period of time, while the other is for survival of extended periods in a space
environment. The housing for short term vacuum environments uses conductive gasket
material to provide a conductive surface between the housing and its covers (for EMI)
while providing an air-tight seal. For continuous space environment an 11011 ring type
gasket has been used in both the top and bottom covers. This requires the housing to be
extended approximately 1/4-inch in the length and width dimensions in order to provide
the added flat surface for the sealing of the “O” ring gasket.

Provisions have been made for the incorporation of an air pressure valve for use in
pressurizing the sealed housing where required. This access to the transmitter housing
also provides the capability of performing helium leak checks in order to ascertain that
the seal integrity has been maintained after manufacture and electrical testing.

For low transmission loss, low loss cable should be used. Many different connector
options are available depending upon customer requirements. The standard transmitter is
provided in a three-connector configuration with a single connector for dc power,
modulation input, and RF output.

Gold-plating is used in all of the chassis subassemblies in order to provide an optimum
ground plane for conduction of ‘ the RF currents. The housing is plated with electroless
nickel as this offers an extremely durable finish with sufficiently high coefficients of
reflectivity and emissivity for certain spacecraft applications. Due to the extremely small
size of the housing there is inadequate service area available for radiation cooling in a
thermal vacuum environment, and therefore it is necessary to mount the transmitter to a
heatsink capable of carrying away the latent heat which varies with the minimum power
output of the transmitter. An exploded view of the transmitter subassemblies is shown on
Figure 7.

















MINIATURE POWER AMPLIFIER FOR TELEMETRY
TRANSMITTERS

R. H. WINKLER
Amelco Semiconductor

Mt. View, California

Summary    There is continuing emphasis to reduce the size and weight of telemetry
transmitters and to increase the frequency at which the power is generated. An approach
to achieve this goal is discussed.

A power amplifier stage designed specifically for a telemetry transmitter is described. it
produces I watt output at 500 MHz with 7-10 db of gain. Typically it is midpoint in a
series of similar amplifier stages. An extraordinarily small size is achieved by using
microstrip transmission lines on an alumina substrate. The dielectric constant of alumina
is relatively high; which makes the transmission lines relatively short. Furthermore, the
judicious use of lumped capacitors results in a further foreshortening of the transmission
lines. The transistor die is attached directly to the microstrip transmission line. This
miminizes any stray inductances and makes the circuit reproducible and broadband. This
amplifier is composed of three basic component types: 1) a transistor 2) four microstrip
transmission lines, and 3) three lumped capacitors.

Of special importance is the fact that the entire amplifier, that is, the transistor plus the
matching network, is enclosed inside a hermetic envelope. The terminals are 50 ohm
microstrip input and output. The hermetic envelope is less than 1.100" x .830" x .085".
Complete with a heat sink the unit is no higher than .150".

Useful design information for this type of amplifier is presented.

Introduction    it has been commonplace in telemetry transmitters to amplify an r.f.
signal from a stable frequency source at a frequency many -times lower than transmitted
signal. This high power r.f. signal is then multiplied in a varactor chain to arrive at the
transmitted frequency.

The semiconductor industry has made steady progress in pushing the useful frequency of
operation power transistors upward. This has allowed the amplification process to be
performed at frequencies closer and closer to the transmitted signal. This paper will
describe an amplifier stage which is suitable for use in this application.



There has been increasing use of microstrip transmission lines in microwave systems.
For some time it was impractical to use microstrip lines at the low frequencies typical of
older power transistors because a circuit using them would have been larger than its
discrete counterpart. Useful power gain is now available above 400 MHz so that
microstrip techniques offer substantial size reductions over discrete components. A 500
MHz amplifier will be described which is four times smaller than its discrete counterpart.
Furthermore, as will be disclosed, microstrip offers some performance advantages. This
approach is even more valid above 1000 MHz where good transistors are becoming
available.

A third key building block to this approach is the availability of relatively large hermetic
envelopes using alumina substrates. Packages having an alumina substrate bottom have
been developed for integrated circuit arrays in computers. Because they are used by the
thousands per week, the technology is well developed and can be applied to the smaller
volume VHF and microwave needs.

The 500 MHz Amplifier    Four important electrical characteristics of an amplifier are:
1) R.F. Power Output vs. R.F. Power Input, 2) Bandwidth, 3) Change in output power
due to mismatched load, and 4) Input match.

This amplifier, useful as it is in telemetry transmitters, also is suitable to illustrate
techniques which are applicable to oscillators, multipliers, etc. at other frequencies and
power levels. It is capable of delivering I watt of r.f. output from signals which are
smaller by 7 to 10 db. Although the specification tests are performed at 28 volts, the
performance is not greatly different at 20 volts. These characteristics are shown in Figure
1. This size transistor requires about 20 mw to turn on, therefore, it is appropriate to use
this amplifier as a driver for itself but a smaller transistor should be used for lower power
signals or a small amount of forward bias should be applied.

The bandwidth is of particular interest in telemetry applications wherein the modulated
signal is amplified in the power amplifier chain. The bandwidth is approximately 10% or
more to the -1 db points. This is very close to the value one would obtain by matching
the low input impedance to 50 ohms with a series L and shunt C and by matching the
high output impedance to 50 ohms in a similar network. This indicates that the
bandwidth has not been deteriorated by spurious effects. This bandwidth of 50-90 MHz
is more than sufficient for telemetry applications wherein 10-20 MHz would suffice.

Ideally, the amplifier would operate into a matched load. Unfortunately, this often is not
the case. The “change in incident power for various VSWR loads” indicates the
capability of the amplifier to supply a mismatched load. if the following stage has a
VSWR of 1.5, then the power incident from the amplifier will be changed by only 5% at
the worst possible phase condition. Generally, of course, the phase will be more



favorable and even less change can be expected. in terms of decibels of gain, this is only
0.2 db loss for a load with 1.5 VSWR.

Since this amplifier is generally driven by another amplifier, it is desirable to know the
VSWR it presents to the driver. Typically it is less than 1.5 within the normal operating
range. This is shown in Figure 2.

Amplifier Design

Electrical    The electrical design can be separated into two distinct problems, the input
and the output:

The input circuit must:

1) Provide an impedance matching network between the 10 ohm base resistance and
the 50 ohm input termination.

2) Provide a d c return path for the base current.

The output circuit must:

1) Provide an impedance matching network between the 250 ohm output
conductance and the 50 ohm output termination.

2) Provide a d c path for the collector current.
3) Filter the supply lead to avoid r.f. leakage, and
4) Isolate the output terminal from the d c bias on the transistor.

The input matching is accomplished with two 50 ohm microstrip lines. This network is
visible in the photograph, Figure 3. one transmission line is shunted between the
transistor base and ground. A second extends from the base to the input terminal. A
lumped capacitor is placed directly between the input terminal and ground.

The output matching is accomplished with only two microstrip lines. one extends from
the collector to the output terminal. It has 32 ohms of characteristic impedance. A second
line of 50 ohms extends from the output termination to ground. This second line also
provides the d.c. current to the collector so that a bypass capacitor is required to provide
the r.f. ground. A second capacitor is used to isolate the output terminal from the d.c.
collector voltage.

Terminals    Microstrip transmission lines permit the interconnection of many circuit
elements without bulky coaxial or waveguide fittings. Furthermore, many circuit 



functions can be made with microstrip lines. Therefore this type of terminal was chosen
for the amplifier.

Inside the package where the alumina substrate is .026" thick, a 50 ohm transmission line
is .026" wide. In a 1/16" teflon circuit board, a 50 ohm line is .3" wide. The terminals of
the amplifier provide a strip .175" wide. The signal passes through four adjacent holes in
the ceramic which are sealed for hermeticity.

The resistive loss of this terminal system is equivalent to about one ohm of series
resistance.

The leads extend from either side of the package so that matching to 50 ohm microstrip
circuit boards is facilitated. The power supply lead can also be etched on the circuit
board. These amplifiers can be placed approximately 3/8" apart in series with one
another giving a center to center spacing of less than 1 1/4".

A single unit mounted on a test fixture is shown in Figure 4. The cover is removed in this
photograph. There is 3/16" between the inside of the cover of the test fixture and the
ground plane. There are six leads at the top of the package. The four center ones are the
r.f. output terminals. They are all connected in parallel to provide a low loss matched
feedthrough. They are soldered or clamped to the conductor of a 50 ohm microstrip
transmission line. An OSM fitting is mounted directly beneath the microstrip line in this
test fixture but in most applications, the microstrip line conveys the signal to the next
component. The terminal at the top right hand corner of the package is for the supply
voltage. The two terminals at either side of the r.f. output are connected to the heat sink
and package envelope. They are used only to provide a ground lead on the top surface of
the circuit board for those who desire to provide the power supply interconnections by
etching the circuit board.

Mechanical    The electrical design requires a transistor, four inicrostrip transmission
lines, two bypass capacitors, and one matching capacitor.

The microstrip lines are gold plated metalizing which are formed by photoetching
techniques. This metalizing is also used for brazing the leads and flange and for
soldering the various components into the circuit.

Through long experience in this field, it has been determined to be advisable to pretest
the discrete components before assembly. The transistors, capacitors, and resistors, when
required, are mounted on rectangular tabs of gold plated molybdenum and wirebonded to
a temporary carrier header for test. Subsequently, they are removed from the carrier
header and soldered into the circuit.



Hermetic Package    The hermetic package used for this amplifier is, similar to one used
in quantities of thousands for digital airborne computors. Making quality hermetic
packages is not one of the most interesting problems to the electronic engineer, but it can
represent the biggest stumbling block between having a laboratory curiosity and a
successful production item. The envelope materials are gold plated kovar and alumina
ceramic which are metalized and brazed at high temperatures to give a product quality
equivalent to the best transistor headers or vacuum tube envelopes available today.

The heat sink has the capability of dissipating 100 watts of power. The backside
metalizing and heat sink provide the ground plane for the microstrip transmission lines.

Techniques

Transmission Lines    A major goal is to reduce size. Microstrip transmission lines can
be made substantially shorter if lumped capacitances are permitted. For instance, the low
base resistance of a transistor can be matched to fifty ohms by a quarter wave length long
transmission line with a characteristic impedance equal to the square root of the product
of 50 ohms and the base resistance. in this case no lumped capacitor is needed.

However, if the transmission line impedance is higher and a capacitor is used at one end,
the line can be foreshortened as shown in Figure 5. The higher the characteristic
impedance of the connecting line, the shorter it can be. of course, a price is paid for this.
The bandwidth is narrowed.

Similarly the high output impedance is transformed to fifty ohms by using a transmission
line which is relatively low in impedance and the reactive component is cancelled, not by
a capacitor as at the input, but by an inductance.

Even though a quarter wave length is two inches long at 500 MHz on an alumina
substrate, only two inches of microstrip were required to perform all the matching
functions in the one watt amplifier.

Lead Inductance    A special problem which is encountered in using lumped capacitors
is the series lead inductance which connects them to the rest of the circuit.

A shorted transmission line has a reactance equal to:

where



Due to the high dielectric constant of alumina, the wavelength is only four inches at
1000 MHz.

As long as the reactance of the capacitor is small compared to the characteristic
impedance of the connecting transmission line, and if the line itself is short, the effect of
the connecting lead is to reduce the capacitive reactance by an amount equal to
approximately 

Just how important this can be is shown in Figure 6. Only .135" of fifty ohm
transmission line is sufficient to cancel the capacitive reactance of a 10.6 ohm (15 Pf)
capacitor. Therefore, considerable attention should be paid to the detailed way the
lumped capacitor is used.

A second and related problem concerns the lead inductance of the emitter connection to
the transistor. it is fairly easy to demonstrate the seriousness of this parasitic inductance.
Near the frequency for unity current gain the power gain of a common emitter amplifier
is inversely proportional to:

where: rb' =  base resistance
ft =  frequency for unity current gain
Le = emitter inductance

Using the 2N3375 as a well known example of a transistor designed to operate at 400
MHz, the pertinent parameters are:

rb' = 1.5 ohms
ft = 600 MHz
Le  = 2.6 nh

where the inductance is only that portion due to the T0-60 header.1

The transistor, rb', contributes 1.5 ohms and the package inductance, Le, contributes
4.91 ohms. The T0-60 packaging clearly degrades the gain immensely. By attaching the
transistor die directly to the microstrip transmission line and wire bonding directly to the
circuit, substantial improvement in electrical performance is achieved.

Secondly, there is also an equal inductance in the input base lead. Consequently, the
T0-60 header has introduced a larger inductive reactance to the input circuit than the
intrinsic resistance of the transistor. Furthermore, the position of the leads connecting to
the package effect the tuning. This serves to illustrate that eliminating the header and
placing the transistor chip on the microstrip circuit has a distinct electrical performance
advantage. Additionally, there are benefits in reproducibility, size and cost.



Heat Sinking    The alumina substrate obviously impedes the flow of heat from the
transistor. This problem is solved by mounting the die on a metal tab which distributes
the heat across a larger surface of the alumina. A large copper heat sink is brazed to the
underside of the substrate. For instance, fifty watts is dissipated in one transistor in a
circuit made by these techniques. And this is certainly not the limit.

The copper heat sink also provides the ground plane for the microstrip transmission
lines. The heat sink can be screwed down from top as shown in Figure 4 or attached from
underneath by studs.

Other Circuits    This paper has largely been concerned with a particular circuit to
provide a concrete example of one design approach. This does not by any means include
all the available techniques of which a few are categorized below:

1) Microstrip lines
a) Thick film molymanganese and gold.
b) Thick film pastes.
c) Thin film.
d) Thin films with plating.

2) Capacitors
a) Chip capacitors.
b) Aluminum films on oxidized silicon.
c) Thick film pastes.

3) Resistors
a) Tantalum thin film resistor arrays.
b) Thick film pastes.
c) Thin film evaporated on substrate.

4) Substrates
a) Ground alumina.
b) Polished alumina.
c) Glazed alumina.
d) Sapphire.

Conclusions    A particular 1 watt 500 MHz r.f. power amplifier was described in
considerable detail. It is only one of a family which extends from 1 mw to 2 watts and
from 300 to 800 MHz. It incorporates only a limited number of techniques available. 
They are:



1) Thick film microstrip transmission lines.
2) Lumped capacitors.
3) Transistor dissipating 3 watts of power.
4) Hermetic package completely enclosing the amplifier circuit. The bottom of the

hermetic package is also the alumina substrate for the microstrip transmission
lines.

The electrical design took advantage of the ability to foreshorten transmission lines by a
suitable choice of characteristic impedance and lumped capacitors. Special attention was
paid to parasitic inductances.

This method of making microwave circuits offers considerable advantage in size and
weight.
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Fig. 1 - R. F. Power output Characteristics

Fig. 2 - Input Match



Fig. 3 - Amplifier Before Welding Cover

Fig. 4 - Amplifier Mounted in Test Fixture



Fig. 5 - Foreshortening of Transmission Line by Capacitive Loading

Fig. 6 - Reduction in Effective Capacitive Reactance due to Connecting
Line for C = 15 pf, Zo = 50 ohms and f = 1 GHz



RESULTS OF THE UHF TELEMETRY SYSTEM R&D FLIGHT
TESTS AT WHITE SANDS MISSILE RANGE

BALL CHIN and JAMES W. HAMILTON
Senior Electronic Engineers
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Summary    This paper describes results of UHF telemetry R&D tests conducted at
White Sands Missile Range (WSMR), New Mexico. UHF telemetry problems, such as
multipath and target scintillation, are discussed. Several recommendations which may
improve the reliability of telemetry data transmission at UHF frequencies are made based
on experience and data gained from many UHF telemetry tracking operations.

Introduction    WSMR developed four tracking and receiving systems for use in
investigating UHF telemetry operational problems. Performance and physical
characteristics of the four systems, designated SCR-584, T9A, T9B, and TELTRAC, are
shown in Table I. These systems were used to gather UHF telemetry data during twenty-
nine aircraft and missile flight tests conducted under the WSMR program. In addition,
the tracking systems were used to gather UHF data on six ATHENA reentry flights. Two
of the ATHENA payloads were-tracked through reentry velocities of about 20,000 feet
per second. Plasma effects caused 35 dB signal attenuation. The other four payloads did
not reach reentry velocities.

UHF Telemetry Aircraft Flight Tests    The primary purpose of the F-100 and L-20
aircraft tests was to investigate near-horizon UHF tracking phenomena. The F-100 was
used for high altitude long range tests, whereas the L-20 was used for low altitude short
range tests. The L-20 aircraft was also used to determine the dynamic tracking
capabilities of the telemetry tracking systems.

A typical F-100 telemetry package contained a VHF, an L-band and two Sband telemetry
transmitters. The same signal modulated each transmitter. The power output of each
transmitter was about two watts. Slot antennas manufactured by Dorne & Margolin,
Inc.1, were used on the F-100. The VHF antenna gain was minus 3 dB and the L- and S-
band antennas had a gain of O dB in the aft direction.

During a test conducted on 17 April 1968, an F-100 aircraft was flown at an altitude of
37,000 feet MSL out to a distance of 250 miles from the UHF telemetry trackers. The
SCR-584 received the L-band signal; the T9A received the two S-band signals, and an



helix antenna with 13 dB gain received the VHF signal. All telemetry receivers used a
500 kHz second IF bandwidth.

During the aircraft outbound run, the SCR-584 was operated in the auto track mode and
the T9A was operated in the slave mode (radar chain). Useable telemetry data was
received at distances of 175, 190, and 195 miles from the VHF, S-band, and L-band
links, respectively. Selected video and AGC outputs are shown in Figures 1A and 1B.
The T9A momentarily lost track at 188 miles when the radar chain input was transferred
from down-range radars to up-range radars. The SCR-584 lost track at 195 miles when
the antenna went into its lower limit stop due to multipath. The system was switched to
the slave mode to reacquire the aircraft and continued to track to 208 miles although the
signal was below FM data threshold. Similar tests at lower altitudes with L-20 aircraft
have yielded comparable results. Telemetry data has been received out to the distance of
radio line of sight for both L-20 and F-100 aircraft tests.

Missile Tests    Five POGO and one AEROBEE missile flights have carried UHF
telemetry at WSMR. Three of the POGO tests will not be covered since they were
reported upon previously2.

The POGO has a maximum acceleration of 21 g, maximum velocity of 3,400 feet per
second, a spin rate of 2 rps, and reaches an altitude of 100,000 feet.

The fourth and fifth POGO tests were conducted on 23 August 1967. All available
systems tracked the missile and received FM data from lift off to impact. Both POGO
trajectories were abnormal. The recovery parachute failed to deploy on the fourth missile
and it followed a ballistic trajectory to impact. The fifth missile broke up in flight;
however, the UHF receiving systems tracked the telemetry section to impact. The data
received via the VHF and UHF links were comparable except for a number of UHF
dropouts which are attributed to the missile antenna pattern.

The AEROBEE experiment was conducted in cooperation with the Air Force Cambridge
Research Laboratory on 13 December 1967. The AEROBEE has a maximum
acceleration of 12 g, maximum velocity of 5,200 feet per second, a spin rate of 2 rps, and
reaches an altitude of 102 miles. The missile was instrumented with an FM/FM telemetry
package with identical data transmitted over both VHF and UHF links. The UHF
transmitter was a Conic UHF CTM-3 with a nominal power output of 3.5 watts. The
UHF antenna system was a two element quadraloop array designed by New Mexico State
University.

The SCR-584, T9A, and TELTRAC UHF tracking systems were located 7.3 miles from
the AEROBEE launcher with optical line of sight between trackers and launcher. The
TELTRAC and SCR-584 lost track at lift off. Both antennas descended into their lower



limit stops as the missile ascended. They were immediately switched to the slave mode
(radar chain) and reacquired the target. The T9A auto tracked from lift off to impact
without difficulty. The TELTRAC also lost track midway through the flight when the
servo bandwidth was being switched in an attempt to obtain smoother tracking. A
comparison of the VHF and UHF signal level and a sample of FM data from each system
is shown in Figure 2.

Similar operational problems have been encountered at missile lift off during the POGO
and AEROBEE tests. However, the VHF and UHF telemetry data from these flight tests
were comparable.

ATHENA Flight Tests    The ATHENA project has conducted six S-band telemetry
experiments at WSMR since February 1967. The ATHENA is a four-stage reentry
vehicle launched from Green River, Utah, to impact at WSMR--a distance of about 430
miles. The vehicles can attain an altitude of 700,000 feet and reach a reentry velocity of
20,000 feet per second with axial acceleration of 23 g. The maximum vehicle spin rate
was 5 revolutions per second. The payload carried FM/FM telemetry which consisted of
18 IRIG proportional bandwidth subcarriers, with channel H the highest subcarrier. Data
was transmitted through two separate Conic UHF CTM-3 transmitters operating at
2281.5 MHz and 2288.5 MHz with the latter link delayed seven seconds to insure
complete telemetry coverage during reentry blackout. The missile antennas were two
diametrically opposed recessed stub antennas. The average radiation pattern was zero dB
to minus 6 dB relative to an isotropic antenna. The maximum antenna gain was 6 dB and
the nulls exceeded minus 18 dB.

The four WSMR telemetry tracking systems were located about 30 miles southwest of
the ATHENA payload impact area. Radar chain data was available for target acquisition
but was not required. Initial acquisition was attained by pointing the antennas at the
horizon to the predicted missile azimuth position. No problem was encountered in
frequency acquisition when the receiver second IF bandwidth was set at 1.5 MHz. The
VFO was used at the first local oscillator (LO) and crystal reference was used at the
second LO. The AGC time constant of the T9B receiver operating at 2281.5 MHz was 4
milliseconds and all other receiver AGC time constants were 260 milliseconds.

A successful ATHENA reentry mission was conducted on 16 November 19673. All
systems acquired signal at T+90 seconds, (Figure 3) about 400 NM from the receiving
site to the missile, and automatically tracked the payload through reentry to impact. The
telemetry signal gradually increased and useable telemetry data was received at T+120
seconds when the missile was at a slant range of 370 NM. During reentry, the telemetry
signal strength decreased gradually at the average rate of about 4.5 dB per second for 8
seconds and remained at the maximum attenuation level of about 35 dB for an additional
2 seconds. Nominal RF transmission resumed 8 seconds after the most severe plasma



attenuation. Erratic tracking occurred during reentry; however, all four tracking systems
tracked the payload in the automatic mode through reentry to impact.

Significant Problems in the UHF Telemetry System    Although the UHF telemetry
system flight tests at WSMR have not been completed, the aircraft, missile and reentry
vehicle tests have demonstrated typical operational problems one expects to encounter
under similar environments. Efficient UHF transmitters and airborne antennas must be
designed and mass produced to meet the design constraints and data requirements.
Ground tracking systems must be reliable under various target dynamics. The complete
UHF telemetry system must be integrated to meet unique missile project requirements
under the most severe propagation phenomena.

Missileborne UHF Transmitters    WSMR received 14 UHF transmitters from 1959 to
1967 under six development or fixed price contracts. During the past year, WSMR has
received 10 additional UHF transmitters from four different manufacturers. Only four of
these 10 transmitters have been accepted, and one of these had to be reworked by the
manufacturer before acceptance. Several other units have been rejected two or more
times. The most common problems were failure to meet vibration, altitude, and
temperature requirements. It should be emphasized that these transmitters have been
rigorously tested at WSMR to insure satisfactory operation during flight tests.
Consequently, these transmitters,have been used on three missile and numerous aircraft
tests at WSMR within the past year without a single failure. Also, WSMR has
participated on five ATHENA reentry tests without a single UHF transmitter failure. One
L-band transmitter has been certified in accordance with the stringent requirements of
IRIG 106-66. These results indicate that reliable UHF transmitters can be developed to
meet existing requirements. However, mass production of UHF transmitters remains a
rather critical problem.

Missileborne UHF Antennas    Perhaps the most apparent difference between VHF and
UHF subsystems is in the airborne antenna radiation patterns. Present VHF antennas
offer satisfactory coverage for most missiles. However, typical UHF airborne antennas
have numerous nulls and lobes.

An antenna array of two to four elements has been used on POGO missiles, A
quadraloop array was initially used in 1964. Since then, folded valentines and cavity-
backed slots have been used. The most recent antenna procurement was for a four
element blade array. No outstanding improvement has been noted in these antenna
systems. However, recent manufacturer’s data sheets do indicate a significant
improvement in airborne antenna Patterns. Data from one system shows excellent
coverage except within a few degrees of the missile thrust-axis4. Another system offers 



approximately hemispherical coverage but may require a major structural modification to
the missile 5.

UHF Telemetry Automatic Tracking Systems    Results of the aircraft and missile tests
have demonstrated that automatic tracking of near-the-horizon targets and automatic
tracking of missiles during lift off are critical UHF telemetry tracking problems. An
experiment was conducted to simulate multipath and to further investigate its effect on
conical scan telemetry tracking systems6. During this test, a direct wave and a reflected
wave were approximated by two coherent radiation sources. Both sources were radiated
simultaneously and the tracking antenna position was recorded. The tracking antenna
traced out a path around either source as the relative phase and amplitude of the two
signals were varied. These results verified an analytical study which suggested that the
antenna could “lock on” either above the target, below the target’s image or anywhere in
between.

No direct solution to the multipath tracking problem has been found. Tracking radars
have used a diffraction fence around the tracker to provide a shield to the multipath
propagation and an inhibiting device which prevents antenna downward motion during
the initial launch phase as a means of alleviating the effects. Optical or radar slave
tracking aides have also been employed. However, optics may not always be practical
because of optical line of sight requirements. Monopulse tracking systems should offer
some improvement in this area.

The effects of signal scintillation due to missile rotation and UHF antenna pattern upon
conical scan tracking systems were investigated. A test was designed to simulate a
spinning missile in flight. For this test a signal was radiated from a POGO missile
spinning at rates up to 1,500 rpm and the tracking antenna performance was recorded.
The tracking antenna$ lost track at the missile spinning rates of 180 and 900 rpm (3 and
15 Hz). Examination of the tracking error signal at these spinning rates revealed a 30 Hz
signal (the tracker conical scanning rate). It should be noted that the results obtained here
are unique to the POGO missile and its UHF antenna pattern. However, the results can
generally be applied to other systems when the missile spinning rates, airborne antenna
patterns, and the tracking system scanning rates are known. The POGO missile simulated
test indicated a conical scanning tracking problem can exist. However, for this to occur,
the signal scintillation must be of prescribed frequency, magnitude, and duration to
override the true target error signal, In fact, WSMR has not experienced this problem
during the R&D flight test program.

During reentry tests there is always the possibility of losing track because of plasma
blackout, This is especially critical since the time available for reacquisition between
reentry and impact is brief. Tracking aides, such as radar chain data and optical slave
data, may increase tracking reliability.



Unique Project Support    Occasionally, missile projects, such as SPRINT at WSMR,
require special instrumentation to satisfy data requirements. The SPRINT is a high
performance missile launched from an underground cell. The combination of low signal
level due to the cell shielding, large signal variations due to refraction and multipath, and
the high missile dynamics create an extremely difficult problem for reliable telemetry
data reception. An optical slave tracking system, (developed by the SPRINT system
contractor, Bell Telephone Laboratories) was modified to increase the probability of data
reception. The system consists of a HERCULES radar pedestal slaved to a SPRINT
tracking radar, a four foot S-band antenna and associated RF receiving equipment. The
antenna gain is 26 dB and the gain of the TWT preamplifier is 30 dB. The receiving
system with a 5.1 dB noise figure is located 5 miles from the SPRINT Launch Site. The
system has operated satisfactorily during a SPRINT flight test.

Conclusion    The UHF telemetry R&D flight tests have demonstrated that UHF
telemetry data can be obtained with a reasonably high degree of reliability. Data obtained
from UHF transmission was generally comparable to that obtained from VHF. The 35 dB
plasma attenuation encountered during the ATHENA reentry was generally in agreement
with the calculated value. The problem of tracking during missile lift off and at low
aspect angles can be partially alleviated with optical or radar slave tracking aides.
Monopulse tracking systems and polarization and frequency diversity reception may
offer additional improvements.

A comprehensive UHF telemetry system training program for range operational
personnel is imperative. Finally, close coordination between the range users and the
missile engineer will be required to insure reliable UHF telemetry data reception,

Recommendations    The numerous VHF to UHF telemetry conversion problems can e
minimized through proper system integration and close coordination between the range
users and the range operators.

When the data requirements are known in advance, it is preferable to design the airborne
antenna system as an integral part of the missile airframe. The remainder of the telemetry
system design can be based on commercially available equipment, data requirements,
and the telemetry receiving systems available at the test range.

Preliminary data furnished the ranges by range users should include detailed missile
dynamic data, such as predicted trajectory, velocity, acceleration and spin rate. At that
time, range users should gather information on the location and the number of available
receiving systems and detailed system characteristics, such as antenna gain, system noise
figure, dynamic range, AGC characteristics, data receiver bandwidth, acquisition or slave 



modes, tracking schemes (simultaneous or sequential lobing), antenna tracking velocities
and accelerations, and servo types and bandwidths.

Once the launch site and other telemetry system parameters have been determined, a
computer program should be formulated to compute the relative tracking velocity,
acceleration, position, missile aspect angle, and maximum and minimum strength (due to
missileborne antenna pattern and missile spinning) as a function of time.

Rearrangement of the ground tracking systems may be necessary to insure reliable
telemetry data reception. Mobile tracking systems may be used to supplement the fixed
telemetry tracking station for complete coverage. Finally, detailed system performance,
such as missile antenna pattern, transmitter power, frequency stability, deviation
characteristics, receiver sensitivity, receiver bandwidth, data recording and processing
techniques, etc., should be disseminated to cognizant personnel.
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TABLE I
TELEMETRY AUTOMATIC TRACKING ANTENNA CHARACTERISTICS*



FIGURE IA. F-100 TEST 17 APR 68 OUTBOUND RUN



FIGURE 1B. F-100 TEST 17 APR 68 OUTBOUND RUN



FIGURE 2.  AEROBEE TEST: 13 DEC. 67
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Summary    Prolonged acquisition of dynamic blood pressure data from animal subjects
in various experimental conditions has become a special research area in numerous
institutions. To properly conduct many of these experiments, the subject must be
instrumented with blood pressure sensors and a means of conveying the indicated
pressure level to a remote station. Quite often data must be obtained over several weeks
in which recalibration can not be conducted. Telemetry techniques are quite adaptable to
these problems and in many instances are the only solution available. To illustrate the
special applications of telemetry, several experiments are described along with the
hardware required to conduct these experiments.

Introduction    The relationship of an organism’s blood pressure to various internal and
external conditions has become of prime importance to aid in isolating the causes of
cardiovascular impairment and to more adequately describe the control function in an
effort to prescribe corrective medication The effects of population density, social stress,
diet and cultural stability on mouse blood pressure has been investigated by this and
other groups. Sufficient data on larger animals has also been obtained to suspect that
their blood pressure response is in some cases similarly effected by similar conditions.
An intensive research project has been initiated to reliably establish the relationship of
blood pressure to several parameters. The broad aspects of this program are to determine
the dynamic blood pressure of various animals under a variety of environmental
conditions, including weightlessness, emotional stress, exercise and diet. Much of the
data will be obtained by telemetry in laboratory experiments conducted on dogs,
chimpanzees, monkeys and various other animals. It is hoped that other data will be
obtained from orbit experiments such as the NASA biosatellite and the Apollo
application project. The data generally obtained will be blood pressure, blood flow and
electrocardiogram.



Hardware    The design of hardware for such an experimental undertaking is largely
influenced by the size of the animal and the experiment duration. Although there may be
no intent to place the transmitting hardware subcutaneously, the size and power
constraints are only slightly reduced because of weight limitation imposed by the
animal’s size. Therefore, if one elects to arbitrarily limit the size of the telemetry to 1/2
the size of a cigarette package, a feeling for the problem can be developed. A workable
transmission distance is for a majority of experiments at least 50 feet. With inexpensive
receiving antenna the power dissipation to establish this reception distance is from
0.6 mv to 6 mv. Power requirement for a single channel blood pressure signal
conditioner is in a similar range. If the lower number is selected as feasible, the power
requirements are 1.2 milliwatts, or a current drain of 200 : from a 6 volt battery. To
remain within the established dimensional envelope a non-rechargeable battery of 160
ma hours can be selected. With these conditions, a brief operating life of 30 days is
available. An operating life of this duration is quite inadequate if the planned experiment
is in months or years and implanting is anticipated. The alternative is that a 5% duty
cycle is in many instances sufficient to obtain adequate data. This increases the useful
operating life to approximately two years but complicates the system because of the
necessity for a remote controlled switch if the unit is to be implanted. The switching
requirements can be obtained by several techniques. We have elected to use a
magnetically controlled switch as shown on the right in Figure 1. It requires little power
and is quite small. The system is activated by positioning one pole of a large magnet near
the switch. This closes the on contact and applies the the power. The “off” condition is
induced by reversing the magnet and closing the off contact.

Every effort to reduce size and power in the system has been made. Since meaningful
blood pressure must retain its DC characteristics, a DC couple data channel must be
employed. However, the sensor which is typically a low impedance bridge, can require
considerable power to operate properly with simple DC amplifiers. Drift can also result
from various factors that can obsecure the baseline position. To reduce the drift and to
eliminate insofar as possible all function not required, a chopper type high gain AC
amplifier is used. The results of this design goal are illustrated in Figure 1. The circuit
functions as a frequency variable oscillator with frequency proportional to the input
between A and B. The summation of the amplitude modulated feedback from the AC
chopper amplifier with the normal feedback through the parallel-T network produces a
loop phase variation which is nullified by an appropriate frequency change in the system
to maintain a total loop phase of 360E. Power requirements are typically 150 : amp at
6 volts. Minimum size using discrete compartments is 0.146 cubic inches. Frequency of
operation is currently limited to less than 30 Khz because of the capacitive spiking from
the FET chopper. Maximum sensitivity is ±200 :v for ± 7/5% modulation. Other
biological signals can be obtained by appropriate signal conditioner modules connected
to the basic VCO at the chopper input.



Experiments previously conducted using this equipment have been in three classes:
emotional stress induced by either obedience training or territorial defense, physical
stress induced by treadmill work and modification of the blood pressure control system
as produced by drug application. In all cases a blood pressure has been obtained by the
placement of implantable sensors in the abdominal aorta of male mongrel dogs of
German Shepherd descent. Typical experiments have not employed implanted
transmitters as this technique has not been completely developed. However, external
equipment placed in a jacket has been quite successful and has allowed the development
of sensor implant and care techniques required for a large scale experimental
undertaking. The following experiments illustrate the technique:

Exercise Studies    The animals used in this study were generally male, mongrel dogs
(50-75 lbs.) of German Shepherd breeding. Little was known concerning the previous
history of the dogs other than that deduced after familiarization with the animal. The
only requirements for selection were the large size for implantation of the aortic
transducer and excellent health. These breeds are typically working animals, known for
their ability to assimilate and retain training, their equable disposition, poise and
intelligence. The animals were given distemper, hepatitis and rabies vaccines and placed
under observation for approximately two weeks prior to surgery. They were housed in
clean, air conditioned quarters in accordance with the latest regulations concerning
animal care. The diet was composed mainly of commercially prepared Gaines Prime,
with water given ad libitum. The animals were taken out of their cages for several hours
daily and placed in runs for exercise.

The button type implantable transducer used in this study (Electro-Optical Systems
Model 1017) was a small unalloyed titanium disc, 6.5 mm in diameter and 1.2 mm thick.
The inner surface of the disc contained a pressure-sensitive diaphragm, 513 mm in
diameter by 0.1 mm thick, forming a four arm Wheatstone bridge configuration. This
diaphragm was in direct contact with the blood. When the bridge is excited by a DC
voltage, a signal is produced directly proportional to the change in pressure in the vessel.
The gauge was sealed with an internal pressure of 750 mmHg and therefore sensitive to
daily barometric pressure changes. This did not post a problem in these investigations as
variations in pressure are minimal in the surrounding area, e.g., the range of barometric
pressure fluctuations for over a two month period was from 753 to 764 mmHg.

A major objective of the present study was to examine the feasibility of telemetry
techniques for chronic blood pressure measurements in the unanesthetized free-roaming
animal. To provide a basis for applicability, it was necessary to examine the method
under various states of physical activity ranging from sleep to extreme exertion on a
treadmill. A total of twenty-eight runs at various speeds and inclines on a treadmill were
completed. The results from these graded treadmill studies suggest that heart rate mirrors
metabolic demands and not necessarily emotional arousal. Heart rates of 300 beats/



minute were not uncommon at the higher gradients.(See Figure 2, solid curve). The
increase in heart rate correlated well with increases in the work load, whereas blood
pressure tended to remain unchanged or slightly increased. Blood pressure responses
were found to change radically with training and the elimination of emotional factors
associated with the treadmill task.

Considerable lability in blood pressure was observed during the spontaneously initiated
natural activity of the animal over a twenty-four hour period. Situational stimuli
produced increased lability but were notrepeated enough regularity to establish any
concrete conclusions, but did point to the need for future investigation of the effects of
emotional arousal on blood pressure.

This study illustrated that telemetry permits the necessary latitude for investigation of the
cardiovascular response in behavioral studies. The only limitations of the method include
the surgery for intravascular implantation, initial cost and availability of required
technical apparatus.

Obedience Training    Four male dogs (47 to 75 lbs.) were implanted with aortic blood
pressure transducers which were later mated with FM/FM telemetry signal conditioning
systems, portions of which were described earlier in this paper. The dogs were given a
systematic basic obedience training regime which was designed to be the most important
experimental manipulation of this study. The animals were their own controls;
experimental values being compared with ‘basal’ (sleep) values or with values obtained
earlier In the training period.

Results of Obedience Study    The telemetered aortic blood pressure or three out of four
dogs being obedience trained is elevated initially, decreases as the time of training
increases, and eventually level off (See Figure 3). The decreasing blood pressure with
increasing time of training is statistically significant for a particular command and is
attributed to the fact that as the animal learns the act and is consequently praised more
and punished less, the emotional factor which initially elevated the parameter through
novelty and rigorous correction is reduced. The heart rate of dogs being obedience
trained decreases consistently with time of training only for the action command “beel.”
There is a trend for decreasing heart rates with time of training for the static commands
but it is not consistent. Heart rate data obtained from arterial pressure waves is a more
accurate index of systolic ejection than that obtained from the electrocardiogram. These
data indicate that aortic blood pressure is a more sensitive visceral Index of emotion than
is heart rate, whereas the heart rate is a better index for evaluating physical exertion than
blood pressure.

This study emphasized the extreme importance in chronic physiological experiments of
acknowledging and controlling the emotional environment of the experimental subjects.



It is of utmost importance to eliminate psychological influences over an autonomic
parameter before reporting that an experimental condition has resulted in a certain
quantitative functional value. The FM/FM telemetry systems and intracorporeal blood
pressure transducers utilized allowed full appreciation for the labile nature of both
parameters studied, especially heart rate, and telemetry is credited as the only method
capable of yielding these data which were obtained from truly normal, unrestrained,
unanesthetized dogs.

Drug Studies    The purpose of this study was to investigate the role of circulating
catecbolamines in the circulatory response to exercise. The drug selected for this study
was pbenoxybenzamine because of its specificity in blocking the alpha adrenergic
receptors.

Four phenoxybenzamine treadmill runs were completed on each test subject. Each
animal received pbenoxybenzamine in a dose of 1 mg/kg of body weight prior to the run.
The well diluted (1:50) drug was administered by intravenous injections over
approximately a five minute period. No anesthetic agents were employed but attempts
were made to keep the animal as quiet as possible during Injection. Time elapsing from
completion of the pbenoxybenzamine injection to the commencement of the treadmill
run varied between 30 minutes and 90 minutes.

Six control runs and four runs after pbenoxybenzamine injections were completed on all
animals. The subjects were given several familiarization runs It on the treadmill before
recordings were made. A “Hot Shot” shocking device was used to encourage
participation in the tests. The handler stood in front of the treadmill holding the animal
with a leash attached to a choke chain around the dog’s neck. This procedure coupled
with the presence of an assistant using the shocking device at the rear of the treadmill
enabled the handler to have control of the animal and prevented the subject from drifting
toward the rear of the treadmill during the more strenuous phases of the exercise test.

No set format was established for the frequency of treadmill runs. However, no more
than two runs a day were attempted during the control runs and no more than one run a
day was attempted after phenoxybenzamine had been administered. All control runs were
completed on each animal before the phenoxybenzamine runs were commenced.

Prior to each treadmill run the animal was placed in a “stand” position off the treadmill.
After a suitable length of time for blood pressure and heart rate stabilization, be was
“heeled” to the treadmill and again placed in a “stand” position on the treadmill, the
animal was given a “beel” command and the treadmill turned on at a speed of 2.5 miles
per hour. The animal was run at 2.5, 3.5, and 6.0 miles per bour (each speed for 3
minutes) at a 16 degree incline (Figure 2). The treadmill was turned back to a speed of
2.5 miles per hour for two minutes for a “cooling off” period prior to termination of the



run. The treadmill was then turned off and simultaneously the animal was given a “stand
stay” command for post-exercise blood pressure and heart rate recordings.

Results of Drug Studies    During the control runs blood pressures could not be
correlated with increased work loads (Figure 2). The heart rates of all test subjects
tended to increase in a linear fashion as the work load was increased (Figure 2). These
findings support the conclusion made in the exercise studies, that during exercise
increased work loads are reflected by increased heart rates while blood pressures tend to
vary.

During the exercise phase of the phenoxybenzamine runs in all dogs, both systolic and
diastolic pressures decreased significantly when compared with control run blood
pressures (Figure 2). These blood pressure decreases were seen with higher heart rates
attained during the pbenoxybenzamine runs.

Territorial Intrusion    In this study territorial intrusion was employed as a situational
stress to study the blood pressure response. Two male dogs were allowed on separate
occasions to spend a period of time in an area in order to develop a territorial defense
response. At the completion of the acclimatization period, an intruder animal was
allowed to enter while the test animal’s response was observed. This was performed in
both acute and sub-acute (24 hour) intrusion experiences.

The response of one of the animals was quite strong in the acute phase which was made
evident by the aggressive nature of the test animal and the increases in both blood
pressure and heart rate. The blood pressure response can be seen in Figure 4. The second
animal was relatively unresponsive to the acute intrusion. In the sub-acute (24 hour)
intrusion both test animals demonstrated a significant response by blood pressure and
heart rate increases while awake and pressure increases while sleeping. There would
appear to be discrimination among animals as to the degree of threat by an intruder
animal in that one dog was unresponsive to one intruder and markedly responsive to
another.
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Fig. 1 - Blood Pressure Telemetry System



Fig. 2 - Effects of Graded Treadmill Exercise on Heart Rate and Blood Pressure



Fig. 3 - Telemetered aortic blood pressure and heart rate obtained from dog #215 on the
“heel” obedience training command, a form of mild dynamic exercise. The
systolic and diastolic pressures decrease with time of training as does the heart
rate. Overall mean values for 29 days of obedience training are 142/75mm Hg
and 184 beats per minute, and are indicated by the broken lines on this figure.



Fig. 4 - Acute intrusion recordings of Dog #215. 1. Day 1 control encounter; no
territorial identification, 2. Typical Intrusion, 3. Typical neutral encounter. (A-
intruder enters, B-intruder exits, C-test animal shaking.)
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Summary    The unique physical characteristics of coherence, intensity, and
monochromatically offered by laser instrumentation has placed renewed importance on
studies in photochemistry and photobiology. Sufficient research experience has now
been accumulated to demonstrate the potential usefulness of laser energy to fundamental
cell biology, and to the diagnosis and treatment of certain pathological conditions.
Current progress in laser applications to ophthalmology, oncology, and dentistry is
briefly summarized.

Introduction    The laser, as a concept, offers a relatively new experimental approach to
biology and medicine, although approximately five years of research has been
accomplished, providing certain basic knowledge regarding its action at the cellular and
molecular levels. Some practical applications of the laser in medicine have also emerged
within this period. It is not within the scope of this report to give a comprehensive
review of all of the attempted or anticipated applications of laser energy to biology and
medicine, but this brief review will be limited to representative areas in which the laser
appears to have achieved some degree of success in its application.

Physical Characteristics of Laser Energy    The laser can be considered as a different
type of light source. The photons which emanate from this source, as quantum units, are
not different from photons from other light sources. However, the emanation of the
photons from a laser device collectively show different physical characteristics. Some of
these properties include: coherence, monochromaticity, and intensity.

Unlike the photons emerging from non-coherent sources which show different wave
forms and different wavelengths (resulting in a scattering of the photons with an
associated loss of intensity with the square of the distance), the photons emerging from
the laser source are coherent. This permits the maintenance of a beam of relatively



constant diameter without the benefit of collimating lenses. This has not been
conclusively demonstrated to produce a biological effect in itself, but it does permit the
ease of alignment and the focusing of the beam to a tiny target diamter. This will be
discussed in greater detail in a later section.

The energy from most laser sources is monochromatic. While wavelength-dependent
biological activities have been studied with noncoherent light sources used in
conjunction with very narrow band filters, this instrumentation cannot compare with the
monochromaticity and the intensity provided by laser sources. As a result, much more
refined and critical work describing photochemical and photobiological effects can be
seen with these newer monochromatic coherent sources.

The biological activity from radiant energy has previously been confined to the X-ray
and ultraviolet regions of the electromagnetic spectrum. However, laser sources show
such a high degree of intensity that now biological activity can be seen in the visible and
near infrared region of the spectrum. The laser can produce a number of physical effects
through their interaction with molecules and atoms within a biological specimen. The
most common effects which are derived through this intense light source include a
marked thermal elevation, the generation of acoustic waves or supersonic shock waves,
free radical formation, and the production of high electric field strengths. In addition, the
characteristic of intensity can produce a much greater probability of a two-photon
interaction occurring within a molecular species than with ordinary light sources.

The duration of the photon train, which is commonly referred to as the pulse-width,
varies with the design of the instrument. The first lasers which were made to operate
were of a solid state type which contained either chromium atoms within a synthetic ruby
rod, or neodymium atoms which were used to dope glass rods. The pulse-width for these
lasers were in the 1 to 5 msec range. A number of devices have been utilized to spoil the
quality of the laser emission and these “Q-spoiled” or Q-switched lasers can be made to
emit their power within a pulse-width of 10 to 50 nsec. A third type of laser, which is,
generally associated with gaseous components as a lasing material, emit their power as a
continuous wave form so that the pulse-width, under these circumstances, is relatively
long.

Specificity of Laser Action    The radiant energy from lasers interacting with atoms or
molecuTe-s of biological materials could theoretically be expected to show similarities
in effect with those produced with noncoherent light sources if one takes into
consideration the wavelength, the pulse width, and intensity of the photon flux.
Experimentation with relatively low intensity laser sources over the past few years have
substantiated some similarities in the photochemical and photobiological responses that
have been reported in the pre-laser literature. This includes phototropism of plant
seedlings as well as the bleaching of natural chromophores and a variety of dyes. 1



However, these wavelength-specific effects can be taken to their extreme with the
application of laser energy, particularly in the pulsed or Q-switched modes. With the
latter system, there appears to be absorption by selective molecular species with the
result that the energy is expended on the breaking of molecular bonds rather than the
elevation of temperature which can be diffused to adjacent molecules with the resulting
thermal coagulation of enzymes and other molecular species. This response was well
documented with the application of a wavelength in the green region (5300 A) as applied
to rat brain cell suspensions. 2 Under these circumstances, the brain cells were inhibited
in their rate of oxygen consumption. Moreover, it was demonstrated
spectrophotometrically that the transmission of hydrogen ions along the cytochrome
chain was blocked between cytochromes b and c. It was concluded that even though the
absorption characteristics of cytochrome b overlapped on those of cytochrome c, the
monochromatic intense energy from a Q-switched frequency-doubled neodymium laser
was absorbed selectively by cytochrome c without alteration of the function of
cytochrome b. This was substantiated with the subsequent application of two
wavelengths at 6013 and 6096 A generated by a Raman-shifted ruby laser in the Q-
switched mode. Under these circumstances, the orange frequencies were absorbed by
cytochromes a and a3. The irradiated cells showed no morphological change until such
time that the inhibited oxidative activity resulted in a loss of energy production and
injury and death of the cells.

The coherence characteristic of the laser beam has permitted an ease of beam alignment
and focusing, which cannot be achieved with the scattered light from non-coherent
sources. A nominal powered ruby laser source, for example , can easily be focused to
approximately 1-1/2 to 2F in target diameter.0 This feature has resulted in the production
of the commercial ruby laser microbeam. apparatus for microsurgical manipulation of
cells in tissue culture or embryonic preparations. More recently, a pulsed argon ion
system has been used in a similar fashion with several advantages. First, the beam can be
confined to less than a micron in target diameter (approximately 0.7F); it is of a
wavelength where more chromophores exist within unstained living material, providing
a wider application of the beam to cell biology and embryology; the high replication rate
of pulses permit the ease of alignment which is provided by continuous wave sources
and the opportunity to make linear incisions rather than just perforations; and finally, -a
number of common non-toxic vital dyes can be used to photosensitize various organoids
within the cell. These include fluorescein and acridine orange.

Applications    A number of mysteries still exist with respect to the function of various
natural phenomenon in parasitology, embryology, and cell physiology. An effective
approach to some ok these questions is through the application of microbeam.
irradiation.4 While many other energy sources have been used for this purpose, laser 



instrumentation offers particularly effective means of producing microsurgery on parts of
single cells.

A particularly satisfactory test object is the specialized mitochondria within beating
myocardial cells growing in a monolayer in tissue culture. These structures, called
sarcosomes, are hypertrophied and contain an elevated cytochrome content. It is believed
that the cytochrome enzymes form the absorbent chromophore within the cell since no
other structure shows a specific sensitivity to the focused argon laser power. In contrast,
when the beam is focused within the sarcosomes, a small lesion can be seen ranging from
a charred spot to an apparent perforation. The response of the injured cell is variable
depending upon the relationship of the sarcosome to the nucleus and to the time
following laser treatment. If the mitochondrian is adjacent to the nuclear membrane,
death often occurs immediately. If the sarcosome is located in the peripheral region of
the cell, the beat frequency slows, the cell begins to fibrillate, and death follows after
several minutes. Studies of this type can often give much information regarding the
importance of mitochondrial metabolism with respect to the beating activity of muscular
elements.

Dorsal root ganglion growing in tissue culture demonstrate satellite cells or glial
elements which form an enveloping membrane around neuron soma with their
cytoplasmic processes. It has been postulated, but not proven, that these satellite cells
function as nurse cells by regulating the amount of nutrients or oxygen into the neuron
cell body. However, a question of this type might be answered by the selective injury and
death of the satellite cell by confining the argon ion laser microbeam to the nucleus of
that peripheral element. Such procedures have been demonstrated-to completely denude
the neuron of its surrounding cellular envelope.5 Time-lapse motion pictures following
this type of treatment indicated that the neuron remains uninjured for a period of several
hours.
The collimated beam of the laser has also been applied in a number of clinical areas. The
most successful of these has been in the field of ophthalmology. The Zeiss white light
photocoagulator has been demonstrated to be an effective method for treating detached
retinas. However, the collimated monochromatic light source in the form of a nominal
ruby laser has proven to be more satisfactory in that the lesions can be of a smaller
diameter and the pulse-width is normally much shorter. 6,7 As a result, patients treated
with laser photocoagulation devices require no anesthetic because they experience no
pain during the treatment. Because the laser is monochromatic the energy is absorbed
selectively by the pigmented retinal epithelial cells, and where adhesions are formed
between the retina and the choroid the nerve fiber layers appear to be uninvolved. In
addition to the application of the coagulating of the retinal detachment, the retinoschisis
(a longitudinal splitting of the retinal layers) can be walled off before the process also
involves the macula. In addition, the microaneurysms of diabetic retinopathy and the
neovascular tufts in the retina of diabetics can be destroyed, using a focused laser beam.



This treatment can prevent the subsequent destruction of retinal tissue with glial scar
formation, and the production of intractable retinal detachment, thus preserving the
patient’s vision. A number of diseases of the eye involve edema of the macula; these
include central serous retinopathy inflammation of the retina and underlying choroid
(chorioretinitis), early senile macular degeneration, and the macular edema which
sometimes follows cataract removal. Fluorescein can be applied intravenously to offer
excellent retinal angiographic pictures showing leaks of the fluorescein from the
capillaries into the edematous areas.8 While the ruby laser has been demonstrated to be
most effective on pigmented epithelium, it is not absorbed efficiently by the blood
vessels or nerves. While the sealing of these leaks with the focused ruby laser beam has
been effected with dramatic improvement in the visual acuity of such patients, basic
knowledge of the wavelength-specific effects are being investigated regarding this
application. That is to say, the absorption characteristics of fluorescein within the
capillaries absorbs the energy from an argon laser efficiently. As a result, the application
of the argon laser for this purpose in preliminary experiments have shown the expected
increase in efficiency.

In the area of dermatology, the laser has been applied as an experimental device to
decolorize the pigment from tattoos,9 from freckles and epidermal nevi, and from
portwine stains.10 In each of these instances, either the Q-switched or normal modes of
the ruby laser have been demonstrated to produce soft white scars rather than the heavily
pigmented lesions prior to laser treatment. Extensive studies have been conducted, using
transplantable melanomas in mice as well as pigmented cells in tissue culture. The
results of these studies have, in some instances, been carried to the human melanomatous
patient.11 While the energy from the ruby or the neodymium lasers is absorbed effectively
by the melanin within this pigmented tissue, a number of technical problems have arisen.
These include the lack of complete destruction of all of the tumor cells by single impacts
of high intensity, and some of the remaining viable cells have been shown to be partially
disseminated away from the original locus.12 These surviving cells appear to grow faster
than they were prior to the laser stimulation.13 However, there remains a promising
avenue to utilize laser energy in the treatment of cancer. This involves the combination
treatments of ruby laser in conjunction with X-ray14 or in conjunction with anti-cancer
drugs such as cytoxan.15 While the mechanism of action has not yet been established, it
would appear that the ruby laser used in conjunction with ionizing radiation potentiates
X-ray treatment of tumors, including non-pigmented tumors, and it also seems to
facilitate the treatment of tumors with cytoxan.

An additional potential clinical application of the laser is to the field of dentistry.16

Current studies are being conducted which suggest that local applications of laser energy
can produce a glazing action of the surface of the enamel, which appears to reduce the
permeability of the enamel to organic acids. Under these conditions, the irradiation of the
tooth can prevent subsurface demineralization which occurs following the incubation



of such teeth in a solution of lactic acid in hydroxyethylcellulose at pH 4. 5. Recent
experiments, utilizing human dental pulp in tissue culture as well as chimpanzee pulp in
vivo, have suggested that superficial treatment of the enamel produce no detectable or
permanent damage to the soft pulpal tissue; hence, these studies suggest that the future of
the laser in the field of dentistry may be to prevent the carious lesions from forming in
those sites where lesions are most frequently found.

Possible Future Applications    The laser as a laboratory tool is offering some
sophisticated advances in the analysis of various organic and inorganic chemicals. For
example, as an extension of standard flame spectrophotometry, the plume coming from
the laser-irradiated target can be analyzed to evaluate the kinds of inorganic constituents
in the ash.17 The amount of material being assayed can be extremely small, since the laser
can be focused on a very minute target. This permits the evaluation of various regions of
a histological specimen, or even the surface of the skin of a patient or an experimental
animal without causing undue stress on the test object. In present day tests, this method
of evaluation appears to be more sensitive than any existing microchemical analytical
system, including the method of neutron activation.18 The method of getting physical
signatures through Raman spectroscopy can also be enhanced with laser irradiation.19

The stretching of the molecular bonds in a laser-irradiated organic specimen permits a
shift to be produced in the monochromatic intense light passed through it. These new
signals, which are read from a double spectrometer, produce characteristic signatures
representing the sample which was irradiated. While this system is not a new one, the
intense monochromatic light produced by laser sources is now making it much more
practical, and promises to be a widely accepted method for chemical analysis for
laboratories of the future.

The wavelength-specific effect referred to above may permit a more widespread
application of laser energy to the area of pharmaceutical preparation as well as the
management of parasitic or bacterial infections. For example, as more laser wavelengths
become available, it may some day be possible to selectively destroy various species of
bacteria in drug preparations, insuring sterilization of such solutions with no risk of
molecular breakdown or loss of biochemical activity of the constituents contained
therein. Moreover, it may be possible to selectively destroy nests of bacteria which
accumulate in the subsurface necrotic tissue resulting from a burn. It may eventually be
used advantageously to eliminate contamination from molds or fungi in skin infections.
An example of selective destruction of parasitic inclusions in cells has been
demonstrated, utilizing malarial parasites contained within erythrocytes. 20 The parasite
can be selectively stained with a very low concentration of methylene blue, which results
in a photosensitization of the parasite. The host cell of the circulating erythrocyte
accumulates a negligible amount of the stain, and the leukocytes accumulate only a
nominal amount in relationship to the parasite. Under these conditions, a relatively low
dose of ruby laser can selectively hemolyze the erythrocytes which contain the



Plasmodium, but spares the non-infected erythrocytes and leukocytes. When the Parasitic
inclusion reaches a maximum size, the metabolic response of that organism produces a
breakdown of the host hemoglobin, resulting in the accumulation of small pigment
particles which offer a natural photosensitization to the ruby laser beam. As a result, no
additional staining is required to produce a selective destruction of the parasitized cells.

The experiences summarized in this report serve merely as examples of the types of
applications in biology and medicine which are currently being served by laser energy.
The opportunities for future uses of this instrument appear unlimited.
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COMMUNICATIONS BETWEEN SATELLITE AND BALLOONS
FOR THE EOLE MISSION

J. P. BOURDEAU, P. DEBRAY, and X. NAMY
CNES—Satellites Division

I - DESCRIPTION OF EOLE

1.1. - Eole mission :

The purpose of Eole experiment is to study the wind distribution in the South 
Hemisphere and to measure different parameters, characteristics of the atmosphere like
temperature and pressure.

This experiment will be accomplished with a fleat of balloons, around 500, flying at a
constant level (300 mb). These free balloons plot the motion of the mass of air.
Temperature and pressure sensors will be placed on board of the balloon package.

One satellite will interrogate these balloons and receive the different data measured on
board. The results obtained during the interrogation will be stored and sent to the ground
when the satellite is in view of the ground station.

The orbit will be circular 800 km altitude with an inclinaison at 45E.

1.2. - General description of the spacecraft and balloons equipments :

The satellite configuration is given by fig. 1. Its weight is about 80 kg. The spacecraft is
stabilized with respect to the geocentrique using gravity gradient. It is mainly constituted
by:

S a structure,
S the gravity gradient system : boom and magnetic dumping materials and attitude

sensors,
S a solar generator associated with batteries and converters,
S a telecommunication system at 136-148 MHz allowing the communication between

satellite-ground station,
S a core memory used to store the balloons data before transmission to the ground,



S a system which allows :
• to interrogate the balloons,
• to receive the balloons information
• to localize the balloons
• to process the data transmitted by the balloons.

A brief description of this system will be the main concern of this paper.

The balloons package includes:
S a solar generator associated with batteries and converters,
S a coherent transponder,
S a telemetry encoder,
S an antenna.

1.3. - Specifications of the balloons interrogation system:

The balloons and satellite equipements should be able to localize 500 balloons in about
8 minutes. The accuracies of this localization will be on the order of ± 3 km. During the
same time, the parameters measured on board of the balloons must be transmitted to the
spacecraft and processed on board, the total accuracy being better than 1 % of the full
scale.

The solution of this problem has to be found taking into account the following facts :
1E - the balloon packages will be mass produced at low cost,
2E - the satellite has to be launched by a Scout rocket. It follows that the power and
weight on board of spacecraft and balloons is limited.

II  -  DESCRIPTION OF THE CHOOSEN SOLUTION

The purpose of the satellite-balloon and balloon-satellite link is:

1E - to address a designated balloon
2E - to localize the called balloon
3E - to assure the transfert of information from the ballloon to the satellite.

2.1. - Localization:

Two parameters are measured on board of the spacecraft:

S the angle 2 between the speed vector       of the satellite and the direction satellite-
balloon (through a Doppler measurement),

S the range “d” satellite-balloon.



The locus of the balloons : sphere of radius R + h having as center the center of the earth,
R is the radius of the earth, h : the altitude of the balloon. Therefore, the balloon is at the
intersection of two spheres and one conus. Two positions are possible : at the next orbit
it will be possible to choose the right one (fig.2).

One another hand, the necessity of knowing        requests to know the satellite ephemeris
and the time of measurement. One stable oscillator placed on board of the spacecraft will
be used as a reference for the system.

Doppler measurement    The spacecraft transmits a signal received by the balloon. After
a coherent change of frequency, this signal is sent back to the spacecraft. The beating
frequency of the signals transmitted and received is measured by a counting method.

2 is given by :

where f0 is the frequency transmitted by the satellite
and        the transposition ratio of the balloon.

Range measurement    Three frequencies modulate the RF carrier radiated by the
satellite:

    48 Hz define the dynamic range (3125 km)
2304 Hz which define 65,1 km
2688 Hz which define 55,8 km.

For each of the given frequencies, one measures the phase difference between the
transmitted and received signal. The processing of the three phases difference allows the
knowledge of the range.

2.2. - Interrogation sequence:

The balloons can be interrogated either in a sequentially manner, in this case the 500
balloons will be interrogated one by one, the time allocated for one balloon being 625
ms, or in a programmed manner : in a memory on board of the spacecraft is stored the
address of the balloon and the time at which they will be interrogated. In any case, the
message is constituted as follows :



Carrier     The carrier frequency of the spacecraft is 460 MHz. The frequency is derived
from a stable oscillator used as reference for all the measurements on board of the
spacecraft. When a balloon reaches the visibility area of the spacecraft, its UHF receiver
locks on the phase of the received carrier. When the balloon has decommutated its own
address, it transmits back to the satellite the received signal after coherent change of
frequency. The frequency transmitted by the balloon is 400 MHz. The satellite receiver is
a phase-lock receiver the time devoted to lock being 100 ms.

Modulation    Spacecraft modulation. The type of modulation is P.M. The interrogation
message for one particular balloon is a 30 bits binary sequence. It is made up of three
words :

S one of 18 bits,
S one of 6 identical bits
S one of 6 identical bits complementary of the above defined.

Bit rate is 48 bits per second.
S 18 bits word : this word can be any of the 511 words

of 18 bits in which a PN sequence of length 511 bits can be divided in. Using such
word as balloon address, one can interrogate 511 balloons, 9 of these 18 bits are
used as address, the others 9 are used for error detection.

S PN generator : It is a 9 stages shift register with a feedback obtained through
modulo 2 adder on 9th and 5th stages.

S 6 bits words : One is the 6 “0” word. The other is the 6 “1” word. The order of the
two 6 bits words can be reversed. For normal operation, the sequence is 6 “0”, 6
“1”. If the order is reversed, this means the balloon has to be destroyed.

S Bits are encoded in burst-blank FSK prior to transmission (figure 3).
S The two frequencies contained in the burst are F0 = 2304 Hz, F1 = 2688 Hz.
S It can be notice that F0, F1 and the bit rate are the frequencies used for ranging. They

are derived from the U.S.O.

Received message by satellite    It consists of:

S unmodulated UHF carrier during       second.
S PM modulated UHF carrier by the 6 “0” and 6 “1” words received by the balloon

and coherently transmitted back to the spacecraft.
S PM modulated UHF carrier by balloon information. Each of these 4 data being

transmitted during      second.



The balloon information are a time multiplex of the 4 frequencies representing data.
Each output transducer frequency is sampled during two cycles of the 48 Hz clocking the
balloon. The information bandwith is 7,5 to 10 KHz The total message length is      
second.

General timing of system (fig.4)    Interrogation messages are sent continuously by the
spacecraft. Balloon clock is obtained through a phase-lock loop locked on the enveloppe
of interrogation messages. Therefore, balloon clock is coherent with satellite 48 Hz
giving the assurance of precise location of response sequence with respect to
interrogation sequence except for propagation delay which causes an uncertainty of     
second. The general diagram of the satellite equipmens is given on fig.5.

III  -   UHF DESIGN :

3.1. - Transmitter and receiver

The major items of the system for Doppler measurement are shown in the fig.6.

S an ultra stable oscillator (Master oscillator which is the frequency reference for the
whole system : all frequencies in the system derive from it).

S the transmitter : starting from fr (U.S.O. freq.) it generates f 0 and amplifies it to a
proper power 4 watt.

S the receiver : receives and amplifies the signal sent back by the balloon. This
receiver has a low noise figure.

S a counter : it counts f.

A signal coming from the U.S.O. is used as reference signal. Having stated the basic
equipment involved in the system, we will now go a bit more in the details of the UHF
phase-lock loop that we feel the most original. The precision of the frequency
measurement can be estimated through         : standard frequency deviation. There are
several causes of error on the frequency measurement, an important one being due to the
noisy signal that is received in the satellite. In order to achievea correct location of the
balloons 0,1 Hz should be the precision due to the noise in the balloon to satellite link. It
has been shown that this type of error can be written :



surement has to be made at the same time and for the same length of time                   .

Up to this point, we have examined the PLL in its filter function that is to say when the
loop is locked. But before performing its function as a filter the phase-lock loop must
lock into the signal. System consideration have led to a time of about 100 ms devoted to
locking. The frequency domain to be explored is ± 18 KHz (Doppler) plus instability of
VCXO, DC amplifiers, etc ... this gives a sweep frequency speed of about 400 KHz/s.

Such a high speed of 400 KHz/s with a bandwith of about 200 Hz and a low signal to
noise power density (10 000) do not enable the loop to lock.

The solution which is adopted is to switch the noise bandwith of the PLL, once the
acquisition has been done from a large to a narrow mode. A quadridetector performs the
signal recognition in order to stop the sweep and switch to the narrow mode.

3.2. - UHF Spacecraft antennas

Type of the antenna    The choice of a vertical, linear polarized balloon antenna with a
very high front to back ratio, asks for a very good circular polarization on satellite.

(In balloon-satellite link, the field vector       rotates through the Faraday’s effect, and so,
for minimum polarization-loss the satellite antenna must be circularly polarized).



Likewise in satellite-balloon link, we have to match a lineary with a circularly rolnrized
antenna. This ?roperty must occur in the conical angle defined by 2 (figure 7).

The conical log-spiral antenna is particularly suitable to solve this kind of problem. It is
a frequency independant antenna and is essentially circularly polarized in any direction
in which there is substancial radiation. In our case, the antenna is used at 400 MHz (link
from balloon to satellite) and at 460 MHz (link from satellite to balloon).

The Eole log-spiral antenna    Geometry of antenna (fig. 8 and 9). The basic parameters
of the equiangular conical antenna are :

S cone angle 2 20 = 20E which gives an important front to back ratio for the radiation
pattern (in the order of 25 dB). This figure makes it easier to integrate the antenna
on the satellite, which, being in a radiation hole does not alter the pattern too much.

S rate of wrap of the arms : " = 45E. This angle produces the adequate large conical
beam in a cone angle larger than 2 x 62E.

S Number of arms : 4, which are feed with equal voltages of phases : 0, 90, 180, 270E
to avoid on the antenna’s axis a hole in the radiation pattern. More over, the
structure is so that the geometry of the arm and the space between arms is identical,
except for a rotation of 45E about a spin axis (self complementary conical antenna).
So, we obtain a very good symetrical pattern about this axis.

Feeding system (fig.10)    It provides the required phasing of arms and matches the
antenna access. It consists of :

S an hybrid junction to insure the quadrature of phases,
S a double wide-band coaxial balun to insure the balance feeding of the opposite

arms.

Typical radiation pattern    The two frequencies of interest are 400 and 460 MHz.

Due to the presence of the satellite body the pattern at these two frequencies are not the
same; in particular the upper part of the satellite acts as a reflector.

At 400 MHz about the axis, the polarization is far from being circular, and at 460 MHz
there is a hole in the diagram for 2 - 35E. See figures 11 and 12 (Diagrams are done with
a rotating dipole). The antenna has been optimised in order to reduce both of these
effects at the same time.



IV  -  RANGING MEASUREMENT AND DATA PROCESSING

4.1. - Range measurement :

Three optimum phase-meters are used. Each of them is of the type described fig.13. One
measures the phase of the 48 Hz out of the receiver amplitude detector. It can be

The two others phase-meters measure the phase of the 2304 Hz and 2688 Hz at the
receiver phase detector output. Taking into account the burst-blank configuration of the
signal, we have :

4.2. - Data processor :

Synchronisation    Each data is transmitted during         second, there is for each data a
known duration of         second where the data is certainly present.

Data processing.    The data processor consists of a phase-locked loop which locks
successively on each data frequency. Lock in time is less than             second  which
leaves another             second to get rid of transients and count VCO frequency with a 7
stages binary counter.

In order to get lock in time less than         second, Six phase-locks are used. Each of them



explores one 6th of the total bandwith. The signal of the first loop which acquires is
directed to the counter.

The accuracy of the measurement is given by

)F  is the error,
Bf  is 2.5 KHz (information bandwith)
m   is the number of periods counted
2 BL  is the equivalent loop noise bandwith (1250 Hz for infinite signal to noise ratio)
FM is the maximum frequency : 10 KHz

The feasibility of this system has been proved in laboratory. Furthermore, the principe of
localization using only Doppler measurement in the condition described above has been
tested with “Transit”. The Eole program being made in cooperation with NASA, the
satellite will be launched with a Scout from WALLOPS ISLAND in 1970.





 













PRELIMINARY EXPERIMENT RESULTS FROM THE OMEGA
POSITION LOCATION EQUIPMENT (OPLE)

H. S. HORIUCHI
NASA/Goddard Space Flight Center

Greenbelt, Md

Summary of Test Results    The analysis of data taken during the fixed platform, road
and aircraft tests indicates that the OPLE system can locate a fixed or moving platform
with reasonable accuracy. During the fixed platform interrogations, it was found that the
error in the OPLE-derived position estimates were consistently correlated with the error
in the position estimates of the OCC as derived from the local Omega monitors; that is,
latitude and longitude errors of corresponding magnitudes were received at the OCC
both from the PEP’s and from the Omega receiver located at the control center.

Based on the data analyzed thus far for the fixed platforms, the overall contribution to
the mean position error by the OPLE equipment ranges between 50 to 400 feet in latitude
and 300 to 500 feet in longitude. The results have shown that the longitude errors are
consistently greater than the latitude errors.

The results of the road test indicated that a moving vehicle could be located with good
accuracy. Men the OPLE-derived position estimates were adjusted for the navigational
errors of the Omega system, the vehicle was located to within 1500 feet of the roadway.

The results of the aircraft tests showed that an airborne platform moving at 160 knots
could be located with reasonably good accuracy. During the daytime test, the position of
the aircraft could be placed to within approximately 5 miles of GSFC. During the
evening tests, the position of the aircraft was located to within 10 miles of the estimated
center of the aircraft’s circular flight pattern, the position being consistently to the east of
the center of the circle. During these evening tests, the position of the OCC was
calculated to be 4 miles east of its actual location.

Introduction    The Omega Position Location Equipment (OPLE) Experiment is to
demonstrate the feasibility of using the Omega Navigational System in conjunction with
synchronous satellites to establish a global location and data, collection system. OPLE,
as shown in Figure 1, consists of an OPLE Control Center (OCC) located at GSFC, a
synchronous satellite, Platform Electronic Packages (PEP) and the Omega Navigational
network. The OCC-satellite-PEP link operates at the VHF frequencies while the Omega



Navigational network operates in the VLF band. The experiment utilizes the ATS-3
satellite, whose VIIF communications transponder can provide for up to 40 simultaneous
PEP transmissions in its 100-kHz bandwidth. For the experiment, however, only four
platforms can be interrogated simultaneously.

Operational experiments were initiated on February 15, 1968. Platforms were placed at a
number of fixed locations. Sufficient data were collected during the reporting period
from two of the platforms to allow a statistical analysis to be performed. These two
platforms consisted of a platform electronic package (PEP #1) located at GSFC and
another (PEP #4) located at Communications and Systems, Inc., Falls Church, Va. The
objectives of the fixed platform tests were to:

(1) Establish the accuracy with which the true position could be located based on the
Omega Navigational System

(2) Determine the effect that the time of day has on the accuracy of the system, and
(3) Establish the contribution to the system error attributable to OPLE equipment. The

analysis of data taken from these fixed platforms during the period February 15,
1968 through April 4, 1968 is presented herein.

Figure 1-OPLE System Configuration



Automobile road tests were performed during the reporting period. A platform electronic
package and cross-dipole antenna were mounted on a mobile platform tests were
conducted in the vicinity of GSFC and on the Washington-Baltimore Par way. The
purpose of these tests was to evaluate the capability of the OPLE system to establish the
position of a mobile platform moving over ground terrain. These tests were performed
during April.

An aircraft experiment was added to the OPLE test schedule during the reporting period.
A platform electronic package was installed on board a NASA aircraft along with a blade
type VHF antenna and VLF antenna. Tests were performed in vicinity of GSFC and over
the Chesapeake Bay area on April 15, 1968. The objective of the test was to provide an
initial assessment of the OPLE capability for locating moving aircraft.

Fixed Platform Tests    The tests were performed with fixed platforms placed at a
number of locations. Sufficient data were collected from the prototype electronic
package (PEP #1) located at GSFC in Greenbelt, Maryland, and Platform Electronic
Package #4 located at Communications & Systems, Inc., Falls Church, Virginia, to allow
a statistical analysis. The data collected from 350 interrogations of the two platforms are
included in the analysis.

Since the two PEP’s were located within proximity of the OPLE Control Center and
within the same skywave correction area as provided by the Omega Navigational system,
a direct comparison could be made of system inaccuracies resulting from the OPLE
equipment and from the Omega Navigational system.

During the experiment, platforms were interrogated by the OCC separately and
concurrently, the latter allowing operational assessment of the effect of multiple platform
transmissions on system operation.

Table 1 summarizes the mean and standard deviation associated with position estimates
of the OCC based on directly monitored Omega signals. Table 2 presents the means and
standard deviations from actual positions for the OPLE-derived position estimates of
PEP’s #1 and #4, respectively. Large variations are observed with respect to both
parameters. The consistency in the results both in the OPLE-derived position estimates
as shown in Table 2 and in the monitored Omega position estimates suggest inaccuracies
in the skywave correction factors which are used to compensate for variations in
propagation paths of the Omega signals.



Table 1
Statistical Summary (Position Estimates of OCC as Monitored

b OCC Omega Receivers

Table 2
Statistical Summary (Position Estimates of PEP #1 and PEP #4 as Calculated

by the OPLE Control Center

Since both platforms are located in the vicnity of GSFC, a comparison was made
between the OPLE-derived position estimates for platforms #1 and #4 and position
estimates of the OCC based on directly monitored Omega signals. The OPLE-derived
position estimate is adjusted by eliminating the bias error contributed by the Omega
Navigational system as determined at the OCC. The remaining offset represents the
OPLE contribution to system error. This represents a paired data evaluation, the pairing
being in terms of time of PEP interrogation. The results of this analysis are summarized
in Table 3 for the two platforms and all four OPLE receivers. From the table, as indicated
by the mean latitude and longitude, some residual error is introduced by the OPLE
equipment. The differences observed in the four OPLE receivers are attributable to the
variations in receiver implementation and the statistical fluctuation that result from the



use of a limited number of samples in the analysis. Correlation between the OPLE
receivers is approximately 100 feet in mean error and 300 feet in standard deviation.
Since the standard deviations of the adjusted latitude and longitude differences as shown
in Table 3 are less than 16 percent of the standard deviations as presented in Tables 1
and 2, they are a significant contribution to system error, as are the present inaccuracies
of the Omega Navigational system.

Table 3
Position Deviation Attributable to OPLE Equipment

During the period covered in the tests, the diurnal variations in Omega latitude and
longitude were monitored at the OCC. Position deviations of 1.0 to 1.5 miles prevailed
during the day and 4 to 5 miles at night.

Road Tests    For these tests, a crossed-dipole VHF antenna was mounted on the roof of
a NASA station sedan as shown in Figure 2. The ATLF whip antenna was mounted
adjacent to the cross-dipole antenna. The PEP electronic package rode in the car bed
along with ancillary equipment consisting of a PEP monitoring unit, power supply and
two-way radio for direct communications with the OPLE Control Center. A battery
eliminator was used during the test with the basic power being supplied by the vehicle
ignition system.

The satellite position at the time of test was approximately 85E west longitude and the
elevation angle at GSFC was approximately 45E. In the normal antenna mounting 



Figure 2-Mobile Platform for OPLE Experiment

position the VHF crossed-dipole antenna has a vertical cone radiation pattern with a
3-dB loss occurring at an angle of approximately 50E relative to zenith or a 40E elevation
angle. Since a near-marginal condition may have existed in the normal antenna position,
provision was made to tilt the antenna if it was found necessary in order to improve the
PEP-satellite RIP link.

Initial tests were conducted over the raods of the Agriculture Research Center. During
these tests, the VHF transmission link between the mobile platform and the satellite was
found to be satisfactory with the crossed-dipole antenna maintained in the normal
vertical position. it was observed that communication was maintained while traveling in
the shade of tall trees and through tree tunnels (i.e., based on reports f rom the vehicle to
the OPLE Control Center on the two-way radio network). It was noted that OCC receiver
phase lock was maintained when the platform passed through roadway underpasses
where the transit time was less than a tenth of a second. The effect of VHF doppler was
noted during these initial tests. The VLF data (i.e., received signal strength) indicated the
effect of some shadowing in the vicinity of dense, woods, but this did not significantly
affect the accuracy of the position data.

The position estimates derived during the tests showed the vehicle to be located at
various positions off the roadways of the Agriculture Research Center. Due to the
peculiar configurations of the traveled roadways, it was difficult to locate the true
position of the vehicle with respect to the roadways. As a result, an accurate comparison
could not be made between the OPLE-derived estimates and actual positions. Therefore,
a second series of tests was conducted on April 22, 1968 using the Baltimore &
Washington Parkway, a long, relatively straight, roadway.

The sequence of test interrogations made when the vehicle was moving over the Parkway
resulted in a consecutive set of position identifications. The tests were performed over a
period of 30 minutes with the vehicle moving at a relatively constant speed of 60 mph.
The OPLEIsystem placed the position of the vehicle consistently to one side (east) of the
roadway during the interrogations. The reference Omega position estimates of the OCC



during this test period also placed the OCC consistently to the east of its actual position.
By adjusting the OPLE-derived vehicular position for the deviations in position
estimates of the OCC, one finds the adjusted OPLE positions quite close to the roadway.
The deviation between the adjusted OPLE positions and the roadway reflects the
contribution to the position deviation resulting from the OPLE equipment. Again, the
contribution of the OPLE equipment to the overall error was rather insignificant in
comparison to the Omega Navigational system. The contributions of the Omega
Navigation system to position deviation is illustrated in Table 4 where the data on
position deviations as calculated by the OPLE system is summarized. As seen from the
table, the contribution to the vehicular position error by the Omega Network was about 1
mile. The location of the OPLE Control Center based on Omega signals received at the
OCC has a latitude deviation of approximately 2200 feet and a longitude deviation of
approximately 4500 feet. The calculated position of the OCC was located southeast of
the true position and was seen to be shifting eastward during the test.

Table 4
OPLE Mobile Platform Test

(Position Data as Calculated b OPLE Control Center)

Aircraft Tests    This experiment was not included in the original OPLE Test schedule.
It was added to the OPLE Test at the request of the ATS Project. STADAN calibration
aircraft, NASA 428, was made available for the test. Installation of a Platform Electronic
Package (PEP) on board the aircraft was performed on April 10 and 11, 1968. A blade
type VHF antenna (124-135 MHz) and a long wire VLF antenna were employed on the
aircraft.



After installation a successful post-installation static test was performed. The aircraft
was located on the ramp to within 1,000 feet, while stationary, with and without engines
running and while the aircraft was taxiing on the ramp. The VHF aircraft-satellite-link
was adequate in view of the linear vertical polarization of the aircraft antenna. Signal-to-
noise ratio of the VLF signals was found to be very good. Good correlation was observed
in locating the aircraft PEP and the mobile platform PEP, which was parked nearby.

The flight plan called for the aircraft to fly criss cross passes directly over GSFC at an
altitude of 10,000 feet and a velocity of 160 knots. The flight was to be concluded with a
circular pattern Over GSFC with a radius of approximately 5 miles. The flight was to be
repeated in the evening to allow comparison between nighttime and daytime location
accuracies. During the daytime experiments considerable commercial aircraft
communications traffic was encountered. As a result, in the evening experiment the
flight plan was altered and the aircraft directed to Chesapeake Bay where circular flight
paths are flown over the Annapolis and North Beach areas. The first circular flight
pattern was flown over the Annapolis Airpark (38E 58' N. latitude, 76E 31' W. longitude)
and was approximately 5 miles in diameter. A second circular flight pattern was flown
over North Beach (38E 40' N. latitude, 76E 30' W. longitude) and was approximately 10
miles in diameter. A third circular pattern, 5 miles in diameter, was flown just north of
Annapolis (39E 03' N. latitude and 76E 30' W. longitude). The aircraft velocity during
the daytime and evening tests was approximately 160 knots. The limited availability of
aircraft and rapidity with which the flight test was scheduled precluded the coordinating
of aircraft tracking by radar or other means. Therefore, the circular flight paths were
based on visual estimates by the aircraft pilot.

During the afternoon flight tests conducted in the vicinity of GSFC, the position of the
aircraft was found to be within approximately 5 miles of the OCC. Heavy commercial
aircraft communications traffic in the area resulted in several interrogations being
aborted, and as a result some difficulty was experienced in coordinating the flight pattern
of the aircraft.

Table 5 summarizes the derived data obtained from these tests. From the table, it can be
noted that the position of the OCC as computed by the OPLE Control Center deviated in
magnitude from 1.0 to 2.0 miles east of the true position.

The analytical procedure used in computing the position of an OPLE platform is based
on averaging 18 samples of VLF signals received from each Omega station over a
3-minute interval. During this interval, an aircraft traveling at a speed of 160 knots could
travel a path distance of approximately 9 miles. For a straight line path, the OCC would
establish the position as approximately 4.5 miles from the position of initial
interrogation. For a complete circle during the data run, the mean position would be the
center of the circle. Any path between the two extremes would result in a position



location whose latitude and longitude would be the average of the platform’s latitude and
longitude during the 3-minute interval. In view of the averaging process performed by
the OPLE system, location of the aircraft was obtained to within approximately 5 miles
of GSFC.

Table 5
OPLE Aircraft Platform Test (Daytime)

(Position Data as Calculated by the OPLE Control Center)

Aircraft tests were continued on the evening of April 15, 1968 over the Chesapeake Bay
area. Examination of the position data shows that the aircraft was located within 10 miles
of the estimated centers of the respective circles. For the combination of flight circle
diameters and aircraft speed, the OPLE-derived positions should be a locus of points
with a radius of approximately 3/4 of a mile and 3 miles, respectively, for the two
circular patterns.

All three patterns show the OPLE-derived position of the aircraft to be consistently east
of the center of each of the circles. The primary reason for this bias can be obtained from
an assessment of the tabulated data for the evening tests as summarized in Table 6. In
each of the tests, the position of the OCC as calculated by the OPLE Control Center was
approximately 20,000 feet east-northeast of the true position.

In comparing the OPLE-derived position estimates for the OCC from Tables 5 and 6,
considerably greater position deviation was experienced during the evening tests than
occurred during the daytime tests.



Table 6
OPLE Aircraft Platform Test (Nighttime)

(Position Data as Calculated by the OPLE Control Center)



1 This work is supported by the Office of Naval Research Contract NONR 4315(00), Air Force
Office of Scientific Research Grant 1175-67 and National Aeronautics and Space Administration
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TELEMETRY WITH UNRESTRAINED ANIMALS1

HOWARD A. BALDWIN and DONALD L. BRUMBAUGH
The Sensory Systems Laboratory

Tucson, Arizona

Summary    Telemetry from animals in their natural environment requires simple but
efficient data coding methods. The problems common to behavioral or physiological
studies with wild animals include immobilization techniques, harness design and
ruggedized instrumentation development. Radio tracking experiences with the lion,
elephant and buffalo and other game animals are summarized and an outline of
instrumentation requirements for a study of long range goal finding ability in the green
sea turtle is presented.

Introduction    While there have been relatively few long range telemetry experiments
involving wild or unrestrained animals, there seems to be increasing interest in this
newly developing field. In the past few years the realization of satellite systems such as
the Nimbus series, which primarily concentrate attention on phenomena at or near the
earth’s surface have made biologists wonder if such powerful techniques could be
applied to the study of animal migration over long distances. These migrations in
themselves have been under intensive study for several decades because there seems to
be no complete hypothesis to explain the ability of various animals to systematically
arrive at geographic goals with the great degree of precision that they demonstrate. Not
only is the mechanism of goal finding ability sought, but it is also true that the migration
of certain animals has great economic import. The processing of food resources is one
aspect of this economic dependence. Another pertains to the spread of communicable
diseases such as the recent outbreak of hoof and mouth disease in England, which might
be correlated with the arrival of migratory birds.

Another aspect of interest in wild animal telemetry deals with observation of
physiological and behavioral activity under those conditions where the normal methods
of observation are difficult. Free-roaming animals seem to demonstrate sensory ability
and problem-solving capability beyond those of their species which have been restrained
in captivity. It will be of interest to observe by telemetric techniques the detailed and rich 
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3 See for example F.C. Craighead and J.J. Craighead, BioScience 15, pp 88-92, 1965.

4 Wm. D. Cochran, D.W. Warner, J.R. Tester and V.B. Kucchle, BioScience 15, pp 98-100,
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variations of adaptation that the marine animals undoubtedly possess in their successful
ability to live in the hydrospace.

Experiments in animal telemetry will take many forms but there are common problems
which underly all of the techniques. These include methods of non-injurious capture,
non-interfering attachment of instruments to the body of the animal, and reliability and
economy in transmitting data under field conditions. Capture guns and drugs for the
larger animals have become reasonably effective in the past few years.2 Harnesses for
attachment of instruments to animals are difficult to construct in such a way that they do
not interfere with the normal activity of unrestrained animals. Terrestrial animals in
general are preferably equipped with a collar around the neck to which instrumentation is
firmly attached. Unless the antenna of the radiating transmitter is embedded in the collar,
however, there is usually a high attrition rate. The most desirable radiation pattern for the
transmitter is omnidirectional in the horizontal plane. This feature puts considerable
constraint on electromagnetic radiators and also dictates the development of harnesses
designed to keep the instrumentation fixed on the dorsal surface of the body. The
requirements for low mass high reliability and reasonably long life suggest that telemetry
transmitter system design consider coding methods of information transmission with
high efficiency at low power drain. This infers, of course, low duty cycle and low data
rates when appropriate. Beyond these common considerations telemetry systems will
embody the more specific objectives of the experiments in their design. Distinction can
be made between experiments involving tracking of an animal particularly during
periods of nocturnal activity where the purpose of the investigator is to maintain close
contact with the wild animal 3 while at the same time attempting to avoid interfering with
natural behavior. These objectives are in contrast with telemetry systems designed to
record and plot movement activities of animals in a limited area or habitat.4 Here, semi-
automatic or automatic methods of direction finding and plotting are most valuable. Both
the tracking and locating concepts are potentially usable in the reception of specific
physiological data such as body temperature, heart rate, blood pressure, etc.

The intent of this paper is to discuss experiments in the design and use of tracking
telemetry devices with the big game animals of Africa and application of telemetry
techniques to the study of goal finding ability in the green sea turtle.



5 Based on the DDRR Antenna, J. M. Boyer, Electronics, 36 No. 2, pp 44-46, 1963.

Tracking Telemetry Design    Figure 1 is a schematic of the basic-transmitter developed
for animal telemetry experiments. In tracking studies it is intended to be pulsed at a low
duty rate. This typically means an on-time of about 10 milliseconds at intervals of 1
second.

The circuit has a nominal RF output of 100 milliwatts at 150 Mhz. The overall efficiency
is 20% with the oscillator stage running continuously. This stage draws about 1 milliamp
at 9 volts. If we assume an operating lifetime of 50 days with a mercury battery source,
the transmitter and batteries will weigh in the order of 200 grams. The circuit itself
without batteries occupies a volume of 1.6 cubic cms using discrete components. Better
power efficiency can be obtained with other circuits but in experiments using pulse rate
coding for data transmission it is desirable to provide precise off/on control of the
transmitter. Decreasing the lion” time to less than 10 milliseconds tends to require
increased receiver bandwidth with an overall reduction in system sensitivity. Pulsing the
oscillator would accomplish considerable saving in continuous power drain; however,
the crystal itself has a finite rise time of 2 to 3 milliseconds and poor stability during
rapid starting. These considerations lead to the decision to provide the continuous
generation of the oscillator frequency at low level. Each of the amplifier stages is a
doubler. This provides sufficient isolation to avoid regeneration in the small volume of
the transmitter at 100 milliwatt levels of power.

One of the more successful antenna configurations is the transmission line design as
originally constructed for this application by Motorola Aerospace Systems.5 This design
provides a vertically polarized radiation at 150 Mhz with a nominal input impedance of
50 ohms. The antenna itself occupies a volume of 6.5 cubic cms. This unit is easily
incorporated into the harness along with the transmitter and battery supply. The harness
itself should provide a conductive ground plane for the antenna with as much surface
area as possible.

The pulse interval of about one second was selected as the result of field experience
using a hand-held three-element yagi antenna for direction finding. With experience an
operator can take a bearing on an animal moving in the dark by listening to 6 or 7 pulses
from the transmitter. The one second interval seems to be a reasonable upper limit for
subjective comparison of signal strength related to directional bearings. The receiver
designed for this operation can either be mounted on the hand-held yagi antenna or
carried by the operator. With an ideal bandwidth of 500 cycles the theoretical tangental
sensivity is -140 dbm. This is equivalent to a free space path length of 1280 km
assuming 0 dbm radiated power. Practical ranges in the field will be from 2 to 10 km
when operating from a ground vehicle in a reasonably flat terrain. The greatest loss 



6 In collaboration with Wm. J. Hamilton, III, University of California.

7 In collaboration with George B. Schaller, Serengeti Research Institute and Rockefeller
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occurs at the transmitter antenna which is seldom in an ideal orientation. Heavy foliage
does not seem to have an appreciable effect at the practical ranges.

Figure 2A is a schematic for coding the basic tracking transmitter with two channels of
temperature data. If tracking is the sole objective of an experiment, the thermister in one
of the temperature channels is replaced with a fixed resistor, and the basic trigger circuit,
Figure 2B, is used to key the transmitter. This circuit using the silicone control switch
has proven to be extremely economical in power drain and reliable in pulse rate coding
applications. The current drain is on the order of microamperes until the switch fires.

The two-channel temperature keying circuit provides separation of data channels with
unequal transmitting periods. Typically, for example, Channel A will transmit for 20
seconds and Channel B for 10 seconds. Temperature data is normally recorded using a
digital counter for measurement of pulse interval time, and the two channels are
separated in the analysis of the data. When the temperature data is displayed in analog
form using a Rustrak recorder, the two channels are visually separated as a result of the
darker line being developed for the 20-second channel.

Experiments with Animals    Plates 1A and B are photographs of the two-channel
telemetry system used in the study of body surface temperature in the Zebra (Equus
burchelli). Experiments 6 conducted to data have suggested that the zebra coloration is
related to physiological control of body temperature in response to solar radiation. The
reflectivity of tanned zebra hide is sufficiently different in the black and white areas as to
create temperature differences on the order of 15EC in direct sunlight.

Plate 2 is a photograph of an African lion (Panthera leo) equipped with a typical
instrumentation collar for tracking experiments. Studies 7 with these animals were
conducted at the Serengeti National Park, Tanzania, East Africa. Some nine different
experiments have been carried out with the use of telemetry. This effort is being directed
toward a study of predation and its effect on the grazing animals of the Serengeti
National Park. Another aspect deals with the study of surface body temperature and
transient changes in response to novel sensory stimuli. The lions in this region are easily
approached in a vehicle. Immobilization is usually effected with a syringe dart at close
range. The lion seems to be particularly insensitive to instruments attached to its body
and even to probes inserted surgically beneath the skin.



8 Under the direction of Gerald I. Day, Arizona Game and Fish Department.

9 In collaboration with Archie Carr, University of Florida.

Plate 3 shows the installation of a small telemetry transmitter with a short whip antenna
on the African buffalo. Telemetry of surface body temperature suggests strong
correlation with behavior. Adult animals typically weigh 500 to 800 kg and are
dependent on finding shade in order to prevent excessive body temperature during most
of the sunlight hours. Grazing activity seems to be restricted to periods when the animal
is not subjected to high body temperatures and, in fact, a knowledge of the surface body
temperature is reasonably predictive with regard to the activity of the buffalo. The
buffalo is difficult to instrument because of its habit of rubbing its neck and shoulder
area against trees. This usually leads to difficulty with instruments attached to this part of
the body.

Plate 4 shows the installation of a radio-equipped collar on a wild African elephant in the
Lake Manyara Park region of Tanzania, East Africa. A narcotic drug was used in this
instance to restrain this bull elephant. Almost daily radio relocation of the elephant was
effected during some 40 days after installation of the collar. At no time was there an
observed attempt by the elephant to remove the collar or damage the equipment. These
animals seem to be sensitive to the presence of instruments, but also strangely reluctant
to remove items attached to their bodies.

Plate 5 shows the installation of tracking equipment on the Spotted Hyaena, with the aid
of the immobilizing drug, succinyl choline, which is effective for periods of about 10
minutes. Experiments with tracking the hyaena have been difficult because of the long
distances these animals can cover with continuous running. In the Ngorongoro Crater
region where the hyaena is confined to the crater floor, observation of hyaena predation
was accomplished for a 10-day period using telemetry techniques. A chain collar was
used in this instance for mounting the tracking transmitter on the neck of the animal.
Some damage was done by other hyaenas to the equipment, although it operated for the
period given.

A number of telemetry experiments have been carried out 8 in the study of the wild
javalina (Collared peccary) in the desert mountains of Arizona. A shoulder harness was
used in most of these studies for attachment of the transmitter. There seems to be no
effective way of attaching instruments to these animals in the wild for periods longer
than several months, although similar harnesses were effective on captive animals for
periods up to two years.

The green sea turtle (Chelonia mydas) represents an entirely different type of telemetry
technique. Here 9 we are involved in a set of experiments leading to a better



understanding of the environmental factors used in long range goal finding ability of this
marine turtle.

Plate 6 is a photograph of one of the earlier transmitting floats attached to an adult turtle
weighing approximately 100 kg. Our current efforts in the study of this animal have led
to instruments designed to provide data on magnetic heading and swimming speed of
turtles released at sea at times when they attempt to relocate their nesting beaches. Figure
4 is a block diagram of sensor coding for a transmitter installed on the float attached to
the turtle. Data on course behavior is transmitted every 20 minutes from a low power
high frequency transmitter, using a vertical whip antenna. Typically, the carrier signal is
on for 10 seconds for direction finding purposes. Velocity information is pulse rate
coded in the range from 1/2 to 2 pulses per second to represent average velocity from 0
to 4 miles per hour. A compass senses heading and data is transmitted at the same 1/2 to
2 pulse per second rate. Both velocity and magnetic heading data are smoothed with a
10-second time constant averaging network to eliminate the effect of wave action. The
compass is a spinning magnetometer type which provides a resolution of ±1E bearing
with an accuracy of 1% of the local magnetic field-. Transmission of data by ground
wave transmission has been effective over ranges of 200 miles.

Conclusion    In summary, animal telemetry techniques offer considerable potential for
extending knowledge in the understanding of physiology and behavioral aspects of free-
roaming animals. The successful utilization of instruments on these animals will require
experience in the development of harness techniques to preclude interference with the
data and/or injury or interference to the animal under study. When data rates are low,
pulse rate modulation at about 1 pulse per second offers system economy and provides
an adequate signal for obtaining bearings with hand held directional antennas.







 Plate 1A    A dual channel telemetry transmitter for the study of skin temperatures in the
zebra. This view shows the transmission live antenna mounted on a temporary ground
plane surface.

Plate 1B   A temperature telemetry transmitter and sensor probes in a temporary harness.



Plate 2   Tracking transmitters on the lion. The upper transmitter (white) was destroyed
in a fight with another male lion. A second transmitter with a self contained antenna was
mounted at the lowest point on the collar. This provided for successful completion of the
tracking experiment.

Plate 3   Installing a temperature telemetry unit on the narcotized African buffalo.

Plate 4   Placing the transmitter equipped collar on the African elephant.



Plate 5   The Spotted Hyaena being instrumented for tracking experiments.

Plate 6   A long range transmitting float for study of green sea turtle goal finding ability.



BUOY TELEMETRY FOR ENVIRONMENT PREDICTION IN
FISHERIES RESEARCH

W. BRUCE McALISTER
Bureau of Commercial Fisheries Biological Laboratory

Seattle, Washington

ABSTRACT

A telemetering buoy has been developed for the Bureau of Commercial Fisheries to
provide environmental information in support of salmon research. The buoys are
designed to be free-drifting units; sensors are inductively coupled to a 200 m. single
conductor cable beneath the buoy. Present sensors measure temperature, conductivity
and depth. One buoy is equipped to participate in the IRLS satellite telemetry
experiment. Present development includes equipment to have the buoys determine their
position by use of the U.S. Navy Navigation Satellite System.

INTRODUCTION

The Bureau of Commercial Fisheries has been measuring the ocean environment for
many years as part of its studies of the intricate interrelationships between fish and the
waters about them. The interest of the Bureau in buoys is a result of a need for data and
information of a breadth and extent which cannot be obtained at reasonable cost from
ship observations. For several years the Bureau has had a small project in buoy
development as part of its continuing program of oceanographic investigation in the
North Pacific Ocean, and presently has several small telemetering buoys and sensors.
The course of development of the buoy project has been largely determined by the
fishery problems which require the type of data which only buoys appear able to provide.

Pacific sockeye salmon (Oncorhynchus nerka) range over about 1 million square miles of
ocean, and have a distribution which is strongly affected by environmental features of
the ocean. The southern limit of salmon distribution, for example, is associated with the
temperature structure at about 200 m. As they mature, salmon are found in distinctly
different environments, and use the ocean current structure in their migration patterns
(Figure 1). In the spring, maturing salmon which will spawn that summer, move north
into the narrow swift band of westward current called the Alaskan Stream, and are
carried far to the vest before they turn north into the Bering Sea and Bristol Bay. If we
knew the complete environmental structure of the salmon region, we could position our



ships for the best exploratory 0 and sampling program, and would be able to predict
accurately the abundance and timing of the salmon runs, the relative effects of high-seas
and coastal fishings, and optimum catches and escapement. At present, research vessels
are unable to provide the extensive and synoptic oceanographic data which are required.

This has led to work on a buoy system which would measure surface (upper 200 m.)
conditions, temperature, salinity and current velocities. The data must be available with
short recovery basis, time delay (maximum 1 week), which requires buoy telemetry. The
buoys should be able to be serviced and placed by regular research vessels under normal
operating conditions (30 kts.) in the North Pacific Ocean. They must be placed on a
variable grid, and must not be so expensive that costs exceed the benefits.

The present program uses a spar buoy about 15 ft long with a series of sensor units
clamped to a single conductor cable suspended beneath the buoy. The sensors are
inductively coupled and may be interspersed in any order and at any depth along the
cable. The choice of free drifting as opposed to moored buoys has been influenced by the
cost and difficulty of mooring buoys in the North Pacific Ocean. The operational
requirements for buoy spacing and location will change seasonally, and as the location of
oceanic fronts, currents, and water masses change. At present, it seems that the problem
of determining buoy position is easier to solve at reasonable expense than the problems
associated with maintaining ane servicing a large grid of fixed buoys. Additionally, one
of the quantities we most desire to measure is surface drift. The drift of the buoys serves
directly as an indication of surface drift, and the buoys can be drogued to measure
subsurface currents. There remain the problems of indeterminate position, and the
possibility that the buoy may go aground or drift into locations or areas of low or
undesired data. During tests, the buoys have been positioned visually, or by RDF
bearings from nearby ship or shore stations. One unit has been adapted for the IRLS
program which provides both positioning information and data telemetry via satellite.
Another positioning system being developed uses the Navy Navigation Satellite System.

Data from the sensors is digitized at the sensor, recorded on magnetic tape, and
telemetered from the tape on commond by a high frequency radio link to a shore station.
The units have been tested at sea for periods of from one week to one month. In May
1967, two buoys, with three sensors each, were drifted for one week at a location 200
miles off the coast of Oregon. The buoys drifted 40 miles during the week. The units
remained in calibration, and no electronic or mechanical malfunctions were experienced.
Data was radio telemetered without difficulty to Seattle, a distance of approximately 350
miles (Figure 2). No significant fouling of sensors or buoys was observed during the
week test; some fouling had been observed during a previous thirty day test period.



BUOY PLATFORM AND SENSORS

The buoy platform is a Concord Control Buoy model M159 which has been modified
slightly internally to accommodate the present sensor electronics. The flotation assembly
has been modified to handle the cable attachment assembly.(Figure 2). The units contain
a fixed-frequency crystal controlled command receiver designed to operate tone-
sensitive reed relays.

A 3 tone command Signal is used to trigger the buoys. Each buoy has 3 response modes:
identification, tape readout, single scan. The units have been interrogated successfully by
a 1 KW 250 watt transmitter at a distance of 2,000 miles. We have used a 4 megacycle
channel in the Ocean Data Service. The transmitter provides an output power of 25
watts. Data has been transmitted by CW at 62 bits per second, future transmission will be
FSK. Data words consist of 16 bits, with 16 sensors, a 256 bit scan requires about 4
seconds6 The sensors and programing unit have been purchased from Geodyne
(Figure 3).

The measurement cycle may be initiated either by telemetry command, or by a timer in
the buoy which will trigger the start circutry at pre-set intervals. We have used a twelve
hour interval, which allows several weeks data to be recorded on magnetic tape. Upon
receiving a start signal, the measurement cycle begins by: starting a master clock
oscillator, supplies internal power to the data control and record circuits, generates a
two-second delay before generating a reset pulse. The master clock oscillator produces a
62.5 Hz square wave timing signal. Both the 625 H3 signal and the reset signal occur
throughout the system and assure that the subsurface data recovery units are operating in
synchronization with the surface unit. When the 62.5 Hz signal is present on the cable, it
is sensed, through the inductive coupling, by each subsurface sensor, and initiates power
in each sensor for the control and record circuitry. Sensor power is supplied only as long
as the 62.5 Hz signal is present. Two seconds after power is on, a wide, 32 msec pulse
occurs, which generates a reset pulse instantaneously in each sensor unit, and establishes
initial synchorization through the system. A simple counter keeps track of the pulse
count of the 62.5 Hz square move with reference to the synchronizing pulse at the start
of the cycle. A sequence of 256 pulse counts with a synchronizing pulse at the start of
each sequence is used. This allows 16 sixteen-bit words. The system may be expanded to
accomodate more sensors by extending the sequence length. Any sensor may be
addressed at any location in the readout. The first word is presently a code identification
and the second word is a clock word. Data is transmitted beginning with the 33rd bit.
The subsurface data are impressed on the cable and on the timing signal in the form of a
5 KHz burst, each burst representing a binary one. If no burst is impressed the formatting
registers a binary zero. The 5 KHz bursts are detected as +8V and the absence of bursts
as OV. They are then shaped into digital ones and zeros, formatted and recorded. At the 



close of the cycle, a stop command removes power from the buoy station; since no 62.5
Hz cycle timing signal is present, all the subsurface units also shut down.

The temperature sensor uses a platinum wire temperature transducer and a self-balancing
bridge. The transducer is a temperature dependent resistor which comprises one leg of a
self-balancing bridge with a range from 0EC to 20EC. The switching cycles of the
registers as they balance the bridge reproduce the temperature as binary coded data. The
operation of the pressure and conductivity sensors are essentially the same as the
temperature sensor; the conductivity sensor uses an inductive conductivity head to
measure the conductivity. Conversion to salinity requires simultaneous temperature and
pressure readings.

DATA RECOVERY

Data telemetered from the buoy is recorded on magnetic tape and may be reproduced on
a high speed strip chart recorder. The tape record is processed to remove noise, and is
then interfaced to a small PDB-8 computer which provides a direct print out of the
sensor readings.

POSITION

One problem with a drifting buoy is the uncertainty in position. Two possible solutions
to the position problem, both using satellites are being investigated: one is the NASA
IRLS program (Cressey and Hogan, 1965), and the other uses doppler counts from
navigation satellites. For use of the buoy platform in the IRLS program, the command
telemetry unit has been replaced by an IRLS unit. The same sensors and formatting
system will be used and sensor scans are made at preset intervals. The data is then read
into a 256 bit core memory rather than stored on tape. Upon receipt of the IRLS
command signal the contents of the 256-bit register are read. Thus the sensor
digitization-format system and the command telemetry system are essentially
independent, communicating only thru the common core memory. The position is
calculated from analyses of the satellite supplied data.

A potentially simpler and less costly approach is a doppler-shift count system. We
prepare to use the Navy Navigation Satellites (Kershner, 1965). Doppler counts will be
received at the buoy and stored identically to a sensor signal (Figure 4). The receiver will
be a simplified version of the navigation satellite receiver now in use on various survey
vessels. Only one frequency (400 MHz) will be monitored. Only the doppler-shift count
and one code word will be stored in the buoy. Data will be stored in 15 bit words, similar
to the storage of regular sensor data. The last pass stored will be read onto the tape each
time the sensors are scanned. All computation, including the acquisition of message data 



for the satellite position, will occur at the shore receiving station. System accuracy is
expected to be on the order of one nautical mile (1,500 km.).
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Figure 1.  Relative abundace of maturing sockeye salmon, May, 1968

Figure 2.  BCF Telemetry Buoy



Figure 3.  Buoy platform station block diagram

Figure 4.  Buoy navigation receiver block diagram



COMPATIBILITY REQUIREMENTS AND CONSIDERATIONS OF
RANGE TELEMETRY TAPE

G. H. SCHULZE
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Summary    Range Telemetry Tape crossplay operations may be arranged into four
major classes each with unique compatibility considerations:

a. Between like recorders at the same Range.
b. Between unlike recorders at the same Range.
c. Between unlike recorders at different Ranges.
d. Between unlike recorders at Range User facilities and the Ranges.

Like model recorders at the same Range are more likely compatible and capable of
optimum tape crossplay than any other combination. Sometimes this very fact produces
an atmosphere of complacency which can invite problems. The assumption that the
recorder manufacturer has properly controlled his production for optimum crossplay or
for complete conformance to IRIG1 is naive and should not be a substitute for
compatibility testing at the using Range facility. With field use and equipment aging,
compatibility can be gradually lost without becoming detected. Adjustment procedures at
one’ site may not be identical to procedures at other sites and perfectly compatible
equipments can unknowingly become incompatible. The absence of adequate
compatibility testing is the major cause of difficulty with this class of crossplay.

Crossplay between unlike model recorders at the same Range poses unique problems but
these can be controlled providing the unlike recorders have individually been strictly
specified and tested to conform to IRIG Standards. Compatibility testing by the using
Range is a definite requirement as manufactures may differ in their interpretation of the
IRIG Document or may differ in the extent to which they conform. No manufacturer
appears to be knowledgeable regarding crossplay between competitive recorders, and
some appear to be just as uncertain about compatibility between complimenting
recorders from their own product line.

Crossplay between unlike recorders at different Ranges is being accomplished but many
factors stand in the way of automatic success for this type of venture. When different



equipments, different tape types, different operational procedures, and different
procurement specifications all combine, the compatibility of the whole system is
strained. The possibility of different tape types specified by competing equipment
manufacturers should produce cautious awareness by the user and compatibility testing
with both tapes should be conducted. The question “Which Range is responsible for the
incompatibility?” can be difficult to answer. Currently, no central agency exercises
control over Range-to-Range crossplay compatibility, and each Range conforms to IRIG
Standards on an individual basis.

Crossplay between unlike reproducers at Range User facilities and Range copy recorders
is probably the most severe test of compatibility that exists. In this type of crossplay
IRIG Standards may not have been invoked by the Range User, different bandwidth
classes of systems may be involved and the fact that the User, and the Range may be
virtually strangers all promote an environment unconducive to compatibility. Anything
that can possibly go awry usually does. The major responsibility must lie with the Range
who supplies the original or copy tapes to the Users. Ideally, the copy tapes should all be
generated identically regardless of individual recipient requirements, and the IRIG
Standards should be religiously followed:

Compatibility Requirements    Crossplay compatibility of recorded Range telemetry
tapes is required for successful two-way exchange of “live” telemetry signals between
the Ranges responsible for reducing the data. Although the bulk of the exchange is from
Range to User, the exchange in the opposite direction should not be ignored. Simulation
tapes of new and future planned telemetry formats, supplied by the Range Users to the
Ranges is an excellent insurance technique for determining the support capability of the
Ranges.

As used above, our definition of a successful two-way exchange of tapes is an exchange
in which no degradation -of data quality occurs because of the crossplay with each of the
participating tape systems configured to IRIG Standards with its own mechanical and
electrical alignments and adjustments. Recorded tapes and reproducers which cannot
provide non-degraded crossplay performance, unless the reproducer is aligned especially
for that tape, are not compatible by this definition. This seemingly arbitrary definition is
based on the daily press of workload which does not permit the luxury of customized
alignment. More likely all alien tapes will be played with the same alignment as the
locally generated tapes and the degradation in data quality is the price paid when
compatibility is absent.

The various types of crossplay which are possible, listed in ascending order of difficulty,
are:

a. Crossplay between like recorders and reproducers at the same Range.



b. Crossplay between unlike recorders and reproducers at the same Range.
c. Crossplay between unlike recorders and reproducers at different Ranges.
d. Crossplay between unlike recorders and reproducers at Range User facilities and

the Ranges.

As used above, the definition of like recorders and reproducers are recorders and
reproducers of identical model number designation with identical bandwidth/speed
characteristics. The definition of unlike is a recorder and reproducer of different model
number but with common bandwidth/speed characteristics.

All four types of crossplay listed above occur with penalizing frequency and all are
necessary requirements imposed by the Range, Range User exchange interface. A fifth
and far more difficult type of crossplay was purposely omitted from the above list
because of its controversial nature and supposedly infrequent usage:

e. Crossplay between unlike recorders and reproducers of different bandwidth/speed
characteristics.

This type of crossplay is briefly addressed in the following discussion.

As the operation of the Test Ranges has become more sophisticated, the requirement for
specifying the specific commitment level for a given mission as accurately as possible
has appeared. In arriving at the level to which a Range will commit itself, the question of
what crossplay loss might be present in the delivered tape should be asked. Although the
crossplay loss is normally not a pacing factor, the only sure guarantee to this end is an
adequate program of compatibility assurance including adequate testing.

Throughout the remainder of this paper individual problems will be presented with direct
connection made to the crossplay types most likely affected.

Type a. -Crossplay Problems    Although crossplay problems between like recorders
and reproducers operated by one crew at one Range are easily remedied, they deserve
important consideration because of their subtleness. All too often this arrangement leads
to complacency on the part of the individuals responsible who may incorrectly assume
the original manufacturer has obviously provided crossplay interchangeability because
his advertising claimed full compliance with IRIG Standards.

The manufacturer’s QC efforts are more important in ensuring IRIG conformance and,
hence, crossplay between his own recorders than his printed claims. As recently as April
this year, a leading manufacturer delivered a 14 track one inch IRIG system for
evaluation testing in which two tracks contained a reversal of head winding connections
resulting in inversion of the output signal polarity. His embarrassment was no substitute



for failing to provide a complete IRIG-based QC on this sytem and gave rise to the
question- -What other IRIG requirements were absent from his QC inspections?
Although FM carrier recording is immune from this type of polarity reversal, Direct
Mode recording of NRZ-L wavetrain data is an example of an operation that cannot
tolerate polarity inversion.

Signal loss from individual head track gap azimuth misalignment is a compatibility
characteristic which results in degraded amplitude response crossplay performance when
the head assembly construction does not meet certain uniformity tolerances. A single
adjustable head azimuth control for each multi-track head stack is not a sufficient answer
to a head assembly which contains nonuniform individual track azimuths. Even though
the range of azimuth adjustment is sufficient to permit optimizing each track one at a
time, the multi-track simultaneous operation during tape copying requires that all tracks
be as near optimum as possible with one common azimuth adjustment. Head
manufacturers are reluctant to specify head gap azimuth misalignment signal loss under
these tape copying conditions, i.e., one azimuth adjustment. This loss is related to the
angle of mis-alignment by the following expression:

At 1.5 MHz and 120 ips a mis-alignment between record an reproduce head of 1.3
minutes of arc will result in a 0.8 dB loss. A mis-alignment of 2.6 minutes of arc will
result in a 3.5 dB loss. Most head manufacturers are able to produce pairs of multi-track
heads with alignment loss somewhere between these values, but users should be alert to
the absence of this constraint in the IRIG Document, which only addresses mean gap
azimuth alignment tolerance.

A third problem in this type of crossplay deals with the track-to-track uniformity of
record amplifier transfer function and record level of multi-track IRIG systems.
Although the IRIG Document recognizes recording standards and standard tests for these
two parameters, track-to-track nonuniformity of the heads and non-uniformity of the
associated record amplifiers prevents all tracks from being uniformly recorded. Track-to-
track recorded uniformity is not just a desirable goal that will provide for easier
operation through modular interchangeability but it is a fundamental requirement for
successful crossplay. The greater the recorded non-uniformity between the tracks of a
multi-track recording the greater will be the crossplay degradation upon an alien
reproducer whose alignment has been performed without consideration of the recorded
non-uniformity. Accordingly, the crossplay success can be no better than the recorded



tapes track-to-track uniformity. An adequate test for proper record amplifier transfer
function (or amplitude vs. frequency response) is contained in the IRIG Document but
requires a multi-speed system capability of 8 to I for implementation. Single speed
recorders require additional attention and testing for this possible crossplay problem. The
closely related uniformity of phase vs. frequency characteristics of multi-track recording
has never been addressed in any standard and remains essentially an unknown
compatibility commodity.

An example of non-uniformity of record level is indicated by the following results
obtained by crossplaying a tape between two supposedly identical model 14 track
recorders. Both recorders were adjusted identically with the same test equipment for
record bias and signal current levels, per IRIG 106-66. The output levels of the first
record/reproducer were locked at 0 dBm output for the reference set frequency recorded
at the normal level of 1% third harmonic distortion. The same tape, identically recorded
by the second recorder, was crossplayed on the first recorder/ reproducer and the
following output levels and distortions observed without chan in out ut levels:

Obviously, the associated tracks from two recordings were far from recorded at the same
level. The suspected causes of this difference are the unequal head/amplifier amplitude
response between the fundamental and the third harmonic signals between tracks and the
unequal contribution of third harmonic distortion from the heads and amplifiers.

Type a. -Problem Solutions    The four above mentioned problems of non-uniform
polarity, azimuth alignment, record level and transfer function should all be controlled in
order to provide optimum crossplay. Very often, even between like recorder/reproducers
of the same model, these parameters escape factory QC and adequate acceptance testing.
Even if only one recorder/reproducer is involved there need not be an excuse for
abandoning acceptance testing for crossplay compatibility. All four of these parameters
can be reasonably tested for recorded uniformity (and hence, crossplay compatibility
with like recorders) by reproducing a recorded test tape in the reverse direction so that
the recorded tracks are reproduced by a different reproduce head and amplifier, i.e., 1 by
7, 2 by 6, etc. Within reasonable limits, this reverse test is equivalent to crossplay on a
different reproducer and previously neutralizing characteristics between record and
reproduce head and amplifiers will be exposed in their non-uniformity.



One example of the revealing results obtainable by the simple reverse play technique has
been recently published.2 The particular parameter under investigation was the phase vs.
frequency characteristic of a recorder/reproducer system, as depicted by the change of
shape of a Direct recorded square wave. In the forward direction of tape motion the
reproduce equalization was set for optimum and essentially no phase difference appeared
between the fundamental and the third harmonic of the square wave. By reversing the
playback direction of the recorded tape without changing the playback equalization a
significant phase difference between the fundamental and the third harmonic resulted,
i.e., approximately 180 degrees. This discrepancy can be attributed to one or both of two
causes:

a. Phase shift in the tape itself.
b. Phase shift in the record amplifier prior to the tape.

In either event the recorded signals phase integrity was not the same as the original input
signal and therefore represents a potential crossplay problem. The fact that the reproduce
equalizer can provide satisfactory performance in the forward direction is desirable but
all indications are that a tape produced on another recorder would demand a different
equalization. A better situation would be the incorporation of a selective phase shifting
network in the record amplifier of sufficient amount that would permit recording square
waves without phase shift such that playback in either direction would produce identical
output results with the same playback equalization.

Type b. -Crossplay Problems    One of the most pursued, but rarely achieved,
compatibility goals is the maintaining of a flat amplitude vs. frequency response between
unlike recorders without destroying the individual recorder’s response compatibility with
itself. To successfully accomplish this obviously desirable goal with brute force strategy
requires strict conformance to a standard record transfer function, achievable by (1) a
record amplifier pre-emphasis curve of the correct values, (2) a standard overbias loss,
and (3) a correct record head azimuth. If all of these items are dutifully controlled the
possibility of success in achieving a crossplay bandflatness to ±3 dB exists.

The definition of a few terms must be established before a discussion can be totally
beneficial.

Record Transfer Function:    The net variation in magnitude of the signal flux recorded
on the tape, as a function of the frequency and wavelength being recorded while
maintaining a constant input level considering all sources of variation.

Record Pre-emphasis:    The designed increase in record amplifier amplitude response
beginning at midband or below and reaching a maximum at the upper bandedge



frequency required to just offset the frequency dependent record head eddy current,
hysteresis and other core losses.

Standard Overbias Loss:    The loss of equality in recorded signal flux level across the
recorded band of wavelengths caused by the overbiasing technique of the high bandedge
frequencies.

It is important to appreciate that certain of the above effects are wavelength dependent
while others are frequency dependent, because of the difference of their impact on multi-
speed recording transfer functions.

For more than five years, the IRIG Document has recognized a preemphasized record
amplifier requirement in order to prevent record heads with different degrees of loss
from reflecting those unique losses in the recorded tapes they generate. The verification
that these unique frequency dependent losses have been adequately neutralized by pre-
emphasis circuits is easily demonstrated using the previously cited IRIG 8 to 1 test
procedure. When this desirable condition is achieved, and assuming no other losses for
the moment, it is correct to describe the result as a constant flux record transfer function.
This contracts to, and is not compatible with the earlier constant current record transfer
functions coupled with a lossy record head.

However, the introduction of the IRIG overbiasing technique several years later
introduced once again a loss of recorded flux levels at short wavelengths compared to
the recorded levels at the long wavelengths, exactly the same type of error in record
transfer function found undesirable in constant current recording.

At first this realization gives rise to a rather skeptical feeling about the wisdom of the
IRIG overbiasing recommendation, but a close look at the end results are reassuring.
These man-made overbias losses are at least 3 dB with the low and intermediate band
systems and 1 dB with the wideband system, i.e., the values of the overbias settings
specified in IRIG. Actually, a swept frequency signal generator will clearly show that the
net effect of a 3 dB overbias between the high and low bandedge frequencies is about
6 dB because the low frequencies have not yet reached their biasing peak. Hence, these
man-made losses are a pproximately 6 dB on low/intermediate band systems and 3 dB on
Wideband systems respectively, sizable losses which should not be discounted.
Fortunately, the overbias loss is better behaved than the previously discussed record
head losses because it is identical in dB loss in all record systems regardless of
manufacturer providing the tape is the same, the amount of overbias value is the same,
and saturation is not occurring in the record heads or record electronics. The end result is
a standard amount of man-made wavelength dependent loss which is duplicated at all
speeds on all IRIG adjusted equipments, even though a true constant flux record transfer 



function has been destroyed in the process. Crossplay between equipments and speeds
has in no way been impaired. These general relationships are shown in Figure 1.

At this point it may occur to the reader to ask “Since pre-emphasis is successfully used in
combating record head core losses could it not be equally successful in recovering the
man-made overbias losses thus reestablishing a true constant flux record transfer
function?” The answer is theoretically yes, but the practical implications are costly and
would require a different pre-emphasis curve for each speed because the overbias loss,
unlike the record head core losses, are wavelength dependent. Such a system would have
one advantage which is not immediately obvious, i.e., it would help to remove the
current IRIG recognized limitation of crossplaying low, intermediate and wideband tapes
because true constant flux recording would be produced. In other words, the current
limitation on crossplaying tapes from different bandwidth systems is the man-made
differences arising out of different overbiasing losses.

Figure 2 graphically displays the general lack of compatibility between different
bandwidth systems arising out of the IRIG overbiasing losses. Figures 3, 4 and 5 present
actual measured crossplay results between several recorders at the Eastern Test Range.

It is unfortunate that these compatibility aspects were not clearly realized during the
introduction of overbiasing. Although certain segments in the industry were uncertain at
that time about the wisdom of overbiasing they were not able to specifically cite this
disadvantage. The end resulting man-made mismatch between low, intermediate and
wideband systems is not to be discounted. Expressed in common terms or rather a
common frequency, the dB overbias record transfer function difference of the three
different systems equated to low band terms, i.e., 100 kHz at 60 ips is -6 dB, -2 dB and
0 dB for low, intermediate and wideband respectively.

If one or both of the unlike recorders incorporates an adjustable record head azimuth an
additional problem area exists which is not immediately obvious. Just because the record
head’s azimuth error is within the range of the reproduce head’s azimuth adjustment,
caution should not be abandoned. One specific problem has occurred when crossplaying
tapes recorded with rounded profile heads with an azimuth error of about Z minutes of
arc. Playback was attempted on a reproducer with a sharp pointed profile head with the
reproduce heads optimized, i.e., maximum output at short wavelength. A persistent 5 dB
loss of high frequency response always resulted but crossplay in the reverse direction
was excellent. Success in both directions was finally achieved after the adjustable record
heads of the first recorder were made to agree with the fixed record heads on the second
recorder. The apparent explanation was that the rounded reproduce head excelled the
sharp reproduce head in the ability to reproduce recordings with a sizable aximuth error,
even with optimum alignment.



Type b.-Problem Solutions    Successful crossplay between unlike model recorders of
equal bandwidths at the same Range has been accomplished after considerable effort to
produce the same record transfer function. If the following steps are followed success
should be attained.

a. Use the same IRIG bias and record level adjust technique on both record systems.
b. Verify that the record amplifier pre-emphasis value is correct using the IRIG 8:1

test.
c. Verify that the record heads do not have incorrect azimuth alignments. (Reverse

direction testing provides an adequate technique for this determination. )
d. Use the same type of tape to align both participating systems.

If successful crossplay between systems of different bandwidths is required, one of two
techniques may be used.

a. Signal condition the input signal prior to the record amplifier to approximate the
required change in record transfer function. (This usually consists of attenuating
the upper bandedge signal spectrum being recorded on wideband systems for
playback on low band systems. )

b. Remove the overbias loss difference between systems by using peak bias at the
upper bandedge frequencies. (It should be recognized that this adjustment change
produces a non-IRIG configuration. )

Type c. -Crossplay Problems    Assume that two separate Ranges are equipped with
unlike model 1.5 MHz recorder/reproducers. Also assume each responsible crew has
achieved successful crossplay between all like recorders at their respective sites by
giving proper attention to the items discussed in the previous sections. Can we then
expect successful crossplay between these two Ranges? The answer is yes, but we should
not expect success automatically without regard to a few possible problem areas.

One likely cause of unsuccessful crossplay between such sites is the possible difference
in the response uniformity of the magnetic tape being used. Currently there are no
industry-wide standards controlling short wavelength response uniformity of magnetic
tapes below the ranges of 1/2 mil. Only the internal QC standards of individual tape
manufacturers control this important performance parameter. One tape manufacturer has
a production tolerance window of 6 dB (±3 dB about his process average reference tape)
at 1/12th mil wavelength coupled with a tolerance window of 4 dB (±2 dB) at 1/2 mil
wavelength and longer. Assuming for the moment that the two Ranges are operating
from different delivery lots of the same type tape from this manufacturer, the worst case
possibility could produce a 4 dB difference in output at low bandedge frequencies and a
6 dB difference in output at upper bandedge frequencies, even though both recorders are
completely compatible with each other using identical tape. Even worse, the low



frequency difference could be opposite in direction to the high frequency difference so
that the net effect could be a 10 dB between the high end output of these tapes after
output levels are normalized near the low frequency bandedge (an IRIG
recommendation). Notice that the tolerances selected by this tape manufacturer and his
failure to normalize the response measurements tend to indicate his choice of tolerance
bands was based on something other than customer crossplay considerations.

As if this were not enough, consider the ramifications of the two separated Ranges using
different types of tapes from different suppliers. Recent tests indicate that a small,
random sampling of wideband 1.5 MHz tapes from three different manufactures covered
a 5 dB spread in output level difference at 1/12th mil wavelength, and a 3 dB spread at
1/2 mil wavelength. An inspection of a number of production lots from each
manufacturer would more than probably have exceeded the 4 and 6 dB tolerance
standards of the one manufacturer.

The complete lack of industry-wide standards in short wavelength response
characteristics is one of the major limiting items preventing completely successful
crossplay in wideband applications. Although it is not fully realized, the IRIG Document
in no way addresses the compatibility problem arising from the non-uniformity of short
wavelength response of magnetic tapes.

Non-uniform biasing requirements between tapes are also suspected of introducing lack
of compatibility. The wavelength response of a given tape when measured by the tape
manufacturer may not be biased per IRIG because of the enalizin affect of the short
wavelength losses. Most manufacturers state their test condition as “optimum bias”
without further elaboration. With the significant amount of overbias required by IRIG at
the two lower bands of operation, the change of wavelength response of a given tape
resulting from overbiasing may be completely different from the change of another tape.
Manufacturers specification sheets depicting non-IRIG response performances may
mean very little to a compatibility study.

Type c. -Problem Solutions    Until a suitable industry standard is forthcoming the only
alternative to improving the current situation is for the Ranges to adopt a standard
response tape, to which each maintains uniformity when procuring tape. This could be
easily satisfied through joint procurement from one supplier and then dividing the tape
into two appropriate shipments for each site. Fortunately, experience shows that tape
produced from the same lot of raw materials, in the same time period, and offered for
delivery at one time, agrees in reel-to-reel uniformity much closer than the previously
mentioned 4 and 6 dB windows. These broad tolerance limits are probably chosen for a
year or longer production period. Both the wavelength response non-uniformities and
biasing non-uniformities should be controlled as closely as possible by the tape
manufacturer for all tape in one delivered lot. In the event the subsequent delivery of



tape 3, 6 or 12 months later has appreciably changed in uniformity, the crossplay
compatibility can be retained by each Range recognizing this change and re-equalizing
the involved recorder/reproducer systems.

Type d. -Crossplay Problems    Crossplay between Range Users and Ranges is the most
difficult class of crossplay to optimize because of the wide variation possible in
equipments, tapes and procedures. Anything that can go wrong usually does.

An example of a recent problem illustrates the level to which care must be exercised. An
illusive 1/2 millisecond timing error was repeatedly appearing during the reduction of
telemetry tapes containing an IRIG B 100 pps/1000 Hz time code signal. After
considerable effort it was discovered that the FM record amplifier used a deviation
directionality opposite to that of the FM reproduce amplifier. This phase reversal
resulted in a delay of 1/2 cycle of the 1000 Hz carrier in the playback time decoder, i.e.,
1/2 millisecond. Although the solution was simple the detection task was diff icult.

In addition to FM carrier deviation directionality, the record level of wide-band FM
carriers has been a problem area. In the absence of a specific recommendation by IRIG,
one leading manufacturer records wideband FM carriers to approximately 9 dB above
the 1% third harmonic level. Playback of these tapes on an unlike reproducer has
revealed a previously unknown inability of the playback system. At approximately 4 to 5
dB above normal IRIG level the reproduce pre-amplifiers begin to oscillate, completely
obscuring the data. Fortunately, reducing the gain of the pre-amp provided a simple
solution, but the problem was not immediately detected and time was lost in data
reduction which had to be repeated.

The subject of time base error, jitter and speed accuracy can become a compatibility
problem. If a high performance reproduce tape speed servo system is available at the end
point of production these problems can be quite easily solved. However, arriving at a
mutually agreeable speed control reference frequency with the recording format for that
frequency is not necessarily simple. Although IRIG specifies and limits the number of
reference frequencies, it does not completely address the subject of recording format. If
the crossplay must be performed without the benefit of a servo, the time base error
performance between the acquisition recorder, the master/copy recorders and the final
Range User reproducer will be hard to predict and a controlled test should be performed.

Type d. -Problem Solutions    The only reliable technique for optimizing crossplay
compatibility between Range and Range Users is to implement an adequate test program
aimed at uncovering problem areas before they occur. Recorder/Reproducer system
characteristics which are candidates for compatibility testing, listed in order of
importance are:



a. Record transfer function.
b. Wavelength response of tape.
c. Head azimuth alignment.
d. Time base error.
e. Head polarity.
f. FM Record carrier deviation directionality.
g. FM Record carrier level.
h. Tape speed reference frequencies.
i. Track spacing, position and numbering.
j. Reel and hub dimensions.

The current IRIG Document 106-66, revised March, 1966, contains specific
recommendations for all but two of the above parameters and if properly enforced, will
prevent severe compatibility problems. However, no substitute exists for specific and
detailed compatibility testing after equipment has been procured. In summary, a
recommended plan for assuring compatibility of Range telemetry tapes should consist of
at least the following four phases:

a. Invoke full IRIG Document conformance at the time of equipment specification.
b. Perform-adequate acceptance testing to insure complete IRIG conformance.
c. Perform adequate compatibility testing between equipments engaged in tape

crossplay.
d. Standardize the wavelength response of the magnetic tape.
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THE EFFECTS, MEASUREMENT, AND ANALYSIS OF FLUTTER IN
INSTRUMENTATION RECORDERS
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Summary    As instrumentation recorders are improved to provide wider bandwidths and
shorter recorded wavelengths, the effects of flutter and attendant time base distortion
severly limit the potential for accurate recording and retrival of data. The effects of
flutter on typical classes of data is given and the measures necessary to determine flutter
with high accuracy shown. Since the degrading effects of flutter depend upon the
application and the characteristics of the flutter, means of analyzing flutter both in the
time domain and in the frequency domain are necessary. A self contained instrument for
accurate measurment and analysis of flutter sensitive enough for the most sophisticated
transports is described, as are necessary conditions for its use.

Introduction    The detrimental effects of flutter depends upon the characteristics of the
flutter, the mode of recording, and the nature of the data being recorded, as well as the
accuracy being attempted. To determine the suitability of a transport for a specific
application it is necessary to accurately evaluate its flutter performance.

When attempting to record data which cannot be duplicated, at least without great
expense, such as is typical of space experiments, it is essential that tests of the recording
system be made immediately before the event. To make such testing practical, an
instrument of known accuracy and adequate sensitivity must be used. Such a flutter
meter should lend itself to rapid testing and should not require an engineer or highly
trained specialist to interpret its reports.

Maintenance of acceptable performance of tape transports is facilitated if the flutter
meter can quickly show the frequency spectrum of the flutter. Instead of depending upon
a specialist’s art, a rational approach to the causes of malfunctions is possible.

Description of Flutter    Fourier components of the flutter may be represented by

(1)
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where the an's are expressed as a fraction of nominal velocity.1 Time Base Error (TBE) is

(2)

Equation (2) shows that the contribution to TBE is inversely proportional to flutter rate.
Figure 1 shows typical flutter spectra for a modern open-loop transport and for an
elaborate positional servo transport. The rising response with frequency is the resultof
using a constant 10% bandwidth analyzer for the measurment. Uniform flutter power
density as a function of frequency would lead to a 3dB/octave rise in output amplitude
with frequency.

The flutter plots show components caused by the capstan and bearings, as well as line
related perturbations from the motors. At frequencies above 150 - 300 Hz, the flutter in
uniform and noise-like until the prominent “scrape” component is reached. This
frequency is determined by the length of unsupported tape in contact with the head; the
amplitude by the surface properties of the tape and the efficacy of scrape idlers in
absorbing the energy of the resonant section of tape.

Direct Recording    The effects of flutter on direct recording are to introduce a TBE in
the events recorded and to smear out the frequencies of the recorded signal.2 The
smearing comes from converting part of the recorded signal power into side bands about
the original frequencies in the recorded signal.

FM Recording    When a signal

(3)

is recorded on tape and reproduced with added flutter, the demodulated output

(4)



The usual methods of flutter correction derived from a demodulated pilot signal recorded
and reproduced in synchronism with the data can be used to improve the S/N ratio of the
FM data but will not affect the TBE. Wide tapes also exhibit inter-channel TBE due to
dynamic tape skew which limits the degree of flutter compensation possible unless a
pilot signal is used for each track 

Measuring Flutter with high accuracy     Tc measure flutter a test signal is recorded on
tape, rewound, and the FM of the test signal caused by the transport speed variation is
measured by the Flutter Meter. Figure 2 is a block diagram of a Flutter Meter. The test
signal is provided by a crystal controlled oscillator which puts out a low distortion sine
wave with exceptionally low phase jitter and noise. When measuring very low values of
flutter, precision demands the highest possible signal-to-noise ratio from the recorded
tape. At first thought, it might seem best to saturate the tape with a square wave test
signal to obtain the highest level possible from the tape. However, such a procedure does
not lead to the best signal-to-noise ratio from the tape, because beats between higher
harmonics of the test frequency and bias signal will lead to spurious components within
the flutter band due to intermodulation within the non-linear tape oxide. Figure 3 shows
a typical noise spectrum of an instrumentation recorder. Note the high noise components
at the low and high ends of the response spectrum. An input bandpass filter as allowed
by IRIG Document 106-66 contributes to the ease of measurments with most recorders,
since noise components and disturbances outside the frequency band necessary for the
measurment are rejected.
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To illustrate the effect of signal-to-noise on measuring low values of flutter, consider a
typical case where:

Test Frequency = 108 kHz
Flutter Bandwidth = 10 kHz
and S/N = 40dB in a ± 10 kHz band centered at 108 kHz.

For an FM demodulator,3

(5)

Even the best of tape has occasional drop-outs and some modulation noise, therefore
exceptionally effective limiters must be used to measure low values of flutter. The usual
40 to 60dB of limiting found in conventional FM demodulators is not adequate to
measure 0.1% peak-to-peak flutter over a 10 to 20kHz bandwidth with high accuracy.
IRIG document 106-66 considers this problem by calling for a discriminator which has
an output noise caused by 30% amplitude modulation of the reference carrier by any
single frequency from DC up to the flutter upper band limit of less than 10% p-p of the
peak-to-peak specification flutter signal. If the discriminator used does not meet this
performance, it is permissible to subtract the noise output due to 30% amplitude
modulation found above from the flutter measurments. Up to 25% of the flutter
specification may be subtracted on this basis.



For a realistic evaluation of flutter, a correction of this magnitude is excessive, and will
permit acceptance of transports with out-of-tolerance flutter. The modulation noise on
good quality tape does not even approximate 30% amplitude modulation at, say 10kHz.
The amplitude modulation on tape is noise-like in its distribution and has its largest
amplitude at relatively low frequencies. Spurious demodulator outputs from this kind of
amplitude variation can be made very low with adequate phase control of the band-pass
filters and adequate symmetrical limiting in the demodulator. There is a real difficulty in
even testing a demodulator designed to measure 0.3% peak-to-peak flutter to 1OkHz.
There are very few modulators available that will provide 30% amplitude modulation of
a 100kHz carrier at a 10kHz rate with less than .03% spurious FM of the modulated
signal. A more realistic specification of demodulator AM rejection would involve an
appropriate amplitude modulation of the test signal by a noise-like waveform with a 1/f
frequency spectrum up to the upper bandlimit of the flutter measurment.

Since the flutter spectrum on wide-band systems may extend beyond 10kHz, accurate
and comparable measurments require that the frequency response of the demodulator,
low pass filters be carefully controlled. Figure 1 shows typical flutter spectra for
transports of better performance. Plot A is from an open loop transport, plot B typical of
a large positional servo controlled machine. In these cases, there is a large component of
“scrape” flutter at around 6kHz and 12kHz respectively. The frequency and amplitude of
this component is largely dependent on the length of unsupported tape across the heads.

IRIG 106-66 prescribes flutter bandwidths for each tape speed and center frequency.
Generally, the flutter bandwidth, described is 1/2 the information bandwidth, up to
10kHz. On the most sophisticated transports, a very significant portion of the flutter may
be above 10kHz, although there is no evidence that substantial amounts are present
beyond 20kHz: above 20kHz mechanical disturbances are low in amplitude and the FM
approaches the noise level due to the tape. IRIG 106-66 allows the low pass flutter
bandwidth filter to have either a flat frequency response 3dB down at the band-edge or a
Gaussian frequency re’sponse 6dB down at the upper band edge. Figure 4 shows the flat
response used in a commercial flutter meter and a comparable mini-mum-phase filter
with an approximately Gaussian response. Although the Gaussian filter will have greatly
superior transient response, it does not lend itself to accurate measurment of cumulative
wideband flutter from typical transports. Reference to Figure 1 shows that the “scrape”
components of flutter will be greatly attenuated by a Gaussian filter.

Analysis of Flutter    Flutter, which approaches a noise-like character as transports are
improved, but which has substantial sinusoidal components in openloop or
malfunctioning machines, may be usefully analyzed either in the frequency domain or
statistically in amplitude distribution. IRIG Document 106-66 requires that cumulative
flutter be reported on a peak-to-peak basis with random peaks occuring less than 5% of



the time excluded (2F limits). The document recommends photographing an
oscillographic display over a 10 second period. Because of the minimum spot size of an
oscilloscope trace, it is not possible to determine the peaks occuring 95% of the time for
ordinary flutter rates using this method. Figure 13 of 106-66 describes a digital go-no go
method of determining whether a transport is within a specified limit of peak-to-peak
flutter 95% of the time over a 10 second period. Certain types of flutter which would be
intolerable in actual use are not necessarily revealed with the digital setup. For example,
a deformed reel that causes very large bursts of flutter lasting 0.1 second every 3 seconds
would be ignored.

By using a statistical peak-to-peak reading voltmeter, anunambiguous meter indication
of the flutter is made. The meter time constants are such that the meter will track
changing amplitudes or statistics of the flutter while providing a precise indication of the
peak-to-peak amplitude of the flutter 95% of the time in its 2F position. Further analysis
of the amplitude distribution may be made by reading peak-to-peak to a 2F reading and a
3F reading. If the flutter has a Gaussian distribution or is made of many small sinusoidal
components as would be expected from an ideal transport, the flutter readings would be
in the ratio of 1:2:3 for 1F, 2F, and 3F respectively.

Readings that do not differ greatly between 1F and 2F but that are much larger at 3F are
indicative of recurring short spikes of flutter and are a warning of possible mechanical
trouble.

Frequency analysis of flutter is provided for in the MICOM 8300-W Flutter Meter. A
wave analyzer with a 10% 3dB, passband permits separating flutter components over the
frequency range of 1/2Hz to 20kHz. The spectra illustrated in Figure are typical of
properly functioning recorders. One can identify the components caused by the capstan,
line related disturbances due to the motors, as well as “scrape” frequencies near the
upper end of the flutter band.

The wave analyzer is an invaluable time-saver in determining the cause of excessive
flutter in transports with trouble. Most mechanically induced speed variations are caused
by once-around effects of rotating members. For each tape speed of a given transport
there is usually a 1:1 correspondence between the rotating speed of the member and the
frequency of the flutter it causes. Once the frequency of the flutter is known, most
common causes are readily identified. When trouble-shooting an unfamiliar transport,
time can be saved in localizing malfunctioning parts by triggering a hand-held
stroboscope with the output of the Wave Analyzer timed to a specific flutter component.
The offending component can oftenbe identified visually because of its synchronism
with the flashing lamp.



Fig. 1 - Typical flutter spectra. A - open loop transport, B - 
transport with positional servo.

Fig. 2 - Flutter meter block diagram.



Fig. 3 - Typical reproduced noise spectrum. Noise measured in
10 Hz band, referred to normal reproduce level.

Fig. 4 - Low pass response of flutter bandwidth filters.
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Summary    Two types of time base error, TBE, are discussed. One type results from
variations in tape speed (flutter) and the other type is the result of additive noise.
Measured data on TBE from a typical tape machine are included. Quantitative effects of
TBE on coherent demodulation of DSB, SSB and quadrature DSB are discussed.

Introduction    Coherent demodulation of suppressed carrier AM subcarriers requires
that a reference tone coherent with the subcarrier frequency be available or recovered at
the receiving end. The reference tone can be recovered by a non-linear operation on the
modulation side bands of each individual AM channel. The other basic method is to
coherently generate all subcarrier frequencies at the transmitting end and to transmit a
separate coherent pilot tone at some appropriate place in the baseband from which all
demodulation reference tones are coherently derived by division and/or multiplication.

Aside from systematic phase shifts, which, in principle, can be eliminated by calibration,
there are two principal random sources of phase error applicable to both methods of
synchronization. These are time base error, TBE, due to variations in tape speed, and
TBE due to additive noise. Any filter, such as a PLL, must have sufficient bandwidth to
“track” the tape time base error but be sufficiently narrow so as to not track too much
TBE resulting from the additive noise. Background information on hardware and
techniques are given in reference (1) and reference (2).

Time Base Error in Tape Recorders    In many applications in radio telemetry, the data
are tape recorded, either pre-carrier detection or post-carrier detection, for later use.
Variations in the tape speed produce TBE in the played back data. The TBE produced by
tape speed variations is the same for both the pre-carrier detection recording and post-



carrier detection recording modes. A standard method for measuring TBE is to record a
sinusoid of appropriate frequency and play it back though a calibrated frequency
discriminator. The output is frequency error. By dividing by the input frequency, the
fractional speed error, )s/s, is obtained. This is spectrum analyzed to produce the speed
flutter spectrum in units of ()s/s)2 per Hz. By dividing this spectrum by (2Bf)2 the TBE
spectrum is obtained. Figure 1 is a TBE spectrum plotted in units of db below one
second--i.e., 20 log(sec)-per Hz versus frequency. A 40 kHz tone was recorded on track
2 at 60 ips using Scotch 888 tape on two machines; namely, Ampex FR 600 and Ampex
FR 607. Both machines have the same type drive. The standard 17.5 kHz speed lock was
used on track 7. The triangle points were obtained with a Minneapolis-Honeywell
Spectrum Analyzer Model 9050 and the dots and the crosses with a MICOM Model
8300 W flutter meter set for 2 sigma duty cycle. The 2 sigma readings were divided by
two to provide a comparison with the NM analyzer which has a mean square output. The
triangles and dots were taken on the FR607 and the crosses on the FR600. The
agreement is quite good above 100 Hz. Below 100 Hz there is some variation,
presumably because of varying tape tension, bearing and reel effects, skew, etc. In
addition, the rms values of sinusoidal components, as obtained by dividing the 2 F
readings on the MICOM by two, will be too low by about 3 db because of the
functioning of the MICOM duty cycle method of metering. It should be noted that the
time between the triangles and dots measurements is about six months. The data
approximate a -12 db/oct line from about 2 Hz, where the transport servo appears to
corner, to about 3 kHz where the spectrum appears to “bottom out”. At still higher
frequency the spectrum rises, presumably because of the combined effects of noise added
prior to the discriminator, unsupported tape resonance, and other effects. The FR600 and
607 are high mass machines. The low mass machines or combinations will corner at
higher frequencies.

The one-sided TBE spectrum of Figure 1 can be approximated by

(1)

over the range 2<<f<<3000 Hz. The DSB data reported later in this paper were taken
with an output low-pass filter with 6 db point at about 2 kHz so any TBE components
above 3 kHz are well filtered out and may be neglected in the following spectral
analysis.

TBE Tracking by PLL    If it is assumed that the loop bandwidth is sufficiently large so
that the tracking error is small compared to B/2 radians, then linear PLL theory can be
applied. If the PLL is second order with damping ratio 0.7, it is shown on page 11 of
reference (5) that the phase error transfer function can be approximated as in Figure 2
where fn is the natural undamped frequency of the closed loop in Hz. Using the above



approximation for the TBE spectrum, the mean square untracked time base error, MS[,],
affecting the data channel output is given approximately by

(2)

where fm is the cut-off frequency of the output low pass filter. If fm=2kHz and if
2<<fn<<2000 Hz, then

(3)

The resulting rms phase error for the ith subcarrier frequency is

(4)

Thus if fi=88kHz and fn=160 Hz

(5)

When the ith DSB channel is modulated by a DC voltage, V, the channel wave form is
Vcos Tit. When multiplied by the demodulation reference tone, 2cos [Tit+2(t)]where 2(t)
is the phase error due to TBE, the output error b(t) is

(6)

provided 2(t) << 1 radian.

If the output error under this condition is read by an AC true rms meter, and the average
value of 2(t) is zero, the rms value is observed to be

(7)

as seen from reference (3) page 481, eq 14.17. Using equations (4) and (7), the effect of
time base error is calculated and given in Table I. Table I also gives test results on DSB
using the test hardware and procedures discussed in reference (1).

Effect of Additive Noise    The PLL tracks the instantaneous phase of signal plus noise.
If the one sided closed loop noise bandwidth is BL, then the variance, F2n of the tracked
phase error relative to the desired phase is shown in reference (5), page 21, to be



(8)

where Snn is the two sided noise spectral density assumed to be constant over the band
2BL, A is the amplitude of the sinusoid whose phase is desired, and where it has been
assumed that F2n on is sufficiently less than B/2 so that the linear PLL approximation can
be used. The signal power S is given by A2/2. The noise power N in the loop is 4BLSnn.
For example, if it is desired to hold F2n to 0.1 radian rms, then S/N>50 or 17 db.

Principal sources of noise in a frequency division multiplex are thermal and
intermodulation. When the received signal is strong, intermodulation noise is the
principal component. In addition to the effect of equation (8), thermal and
intermodulation noise falling in the pass band of the separate AGC pilot channel can
cause a multiplicative error. Table 2 presents data taken from reference (2) under the
same conditions as Table 1 except all channels other than the channel under test are fully
noise modulated.

Discussion    A more general discussion of tape effects on DSB is included in reference
(2). In Tables 1 and 2, both additive and multiplicative noise are present. The noise
present when the DC modulation is zero is additive noise. The increase in noise with
increasing DC modulation of the test channel is mostly multiplicative noise. Since the
effects of tape TBE are essentially the same for both pre- and post-detection recording, it
may be assumed that higher noise levels in the post-detection recording are due to
intermodulation power falling into the AGC pilot channel plus amplitude variations due
to tape imperfections which are not tracked out by the AGC. The. overall increase in
noise levels in Table 2, is due to intermodulation effects since in this case all DSB
channels are fully modulated with noise. As can be seen from Table 2, these effects are
both additive and multiplicative. It is evident from Table 1 that the calculated
multiplicative noise due to untracked TBE is consistent with the results.



If the subcarriers are harmonically related, then using the nominal power spectra from
reference (6), it is seen that the maximum of the crosstalk power spectrum is in the
neighborhood of the subcarrier frequencies. If the separate pilot tone method is used in
which all subcarriers and the pilot tone are coherently and harmonically related, then the
above must be considered in the choice of the pilot tone frequency. As far as tape TBE is
concerned, the location of the pilot tone in the baseband is immaterial because from
equation (4), the phase error due to tape TBE is proportional to the subcarrier frequency.
However, the TBE induced by additive noise is independent of subcarrier frequency if
the baseband noise spectrum is flat. For example, suppose that the pilot tone is placed at
the low end of the baseband and multiplied by a factor M to produce the demodulation
reference tones. The phase error is multiplied by M. Suppose M is 10. Then in QDSB,
example above, the S/N would need to be 51 db in the bandwidth Bfn. If the subcarrier
frequencies are all exactly in phase in the output baseband then all intermodulation
occurs as suppressed carrier AM centered about and in phase with each subcarrier
frequency and the pilot tone. Then all intermodulation components which fall about the
center frequency of the pilot tone recovery PLL do not cause TBE. Side band power
falling in the PLL due to intermodulation components centered at other frequencies can
cause TBE. However, if there is a phase shift across the baseband due to non-uniform
time delay in the IF, among other causes, then the intermodulation components will not
in general be in phase with the,,pilot tone and TBE will result. Of course any appreciable
time delay difference occuring in the baseband, if not compensated for, will affect the
separate pilot tone method. Suppose that the delay distortion in the IF between the lowest
and highest baseband frequencies is 200 nanoseconds, Suppose the difference in
frequencies is 100 kHz. Then the phase difference is 0.14 radians. This is not an
uncommon delay difference and would be serious for QDSB.
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Table 1.  TIME BASE ERROR EFFECTS OF TAPE RECORDING DSB



Table 2. TAPE RECORDER EFFECTS TEST



Fig. 1 - Measured Time Base Error Spectrum

Fig. 2 - Approximate Phase Error Transfer Function
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Summary    The PCM BR Synchronizer/Signal Conditioner, hereafter called
“synchronizer,” plays a vital role in telemetry data recovery, and is perhaps the most
important and complex component of telemetry data processing systems (DPS). The
synchronizer, being the “front end” of the system, makes an irrevocable decision as to
the binary value of each data bit, and provides the fundamental timing signal (clock) for
the entire DPS. Thus, the performance characteristics of the synchronizer substantially
determine the system’s capabilities, and it may be said that the system is as good (or bad)
as the synchronizer.

This paper presents and discusses test data obtained on synchronizers available to date,
and used at Goddard Space Flight Center (GSFC) and its satellite tracking and data
acquisition network (STADAN) stations. Performance characteristics such as bit
synchronization (bit sync), bit sync acquisition, tracking, bit error rate, and intersymbol
interference have been measured with respect to split-phase (SP) and NRZ-L input
signals between 500 bps and 300 Kbps, perturbed by “white” Gaussian noise plus jitter.
The effect of tape recording and band limiting of these signals on synchronizer
performance is also discussed. It is shown that bit error rate alone does not “tell the
whole story” about synchronizers, particularly when operating with low (less than 7 dB)
SNR’s plus jitter.

The test data indicate that there is no single synchronizer excelling in all respects. For
example, a synchronizer which operates well down to SNR of -3 dB has inferior
acquisition, and slippage characteristics when jitter is added to noise. Generally, the
performance threshold for random jitter (defined later) is at SNR greater than 10 dB.
Some synchronizers seem to perform better with SP than NRZ-L signals, and vice versa.

Finally, discussed and suggested are definitions of performance parameters which would
uniformly and unambiguously describe and specify synchronizers. A lack of precisely
defined and measurable performance parameters and characteristics has caused
misinterpretation and misunderstanding of specifications presented by both vendor and
customer.



Introduction    PCM telemetry has been in use for almost 10 years. During this time
PCM synchronizers have gone through several design cycles, each time having achieved
an improvement in performance. How well, or how poorly, have these synchronizers
performed with respect to the purpose for which they were designed? How capable are
the “state-of-the-art” synchronizers, and how can they be characterized? These are the
basic questions to be considered.

Almost every synchronizer model available to date has been tested to obtain the data
presented in this paper. It can be stated that all of them perform well at SNR greater than
15 dB (defined later) plus some jitter, base line variation, and frequency offset, for
random SP or NRZ-L data. Therefore, we are not concerned about performance
characteristics at high SNR’s, rather, at SNR’s less than 7 dB at which recovery of data
is still possible even though the bit error rate is greater than 1 x 10-3. In fact, in some
cases data having error rates up to 20% (SNR of -4 dB) can be made useful. Coded
telemetry data can be error-corrected to effect a gain of about 7 dB 5, which means that a
-4 dB SNR signal can be recovered with the equivalent error rate of a 3 dB SNR signal,
producing an effective error rate reduction of 7:1!

Clearly, the ability of the synchronizer to maintain bit synchronization is of utmost
importance to frame synchronization and, therefore, to decommutation of telemetry data.
It has been found that even relatively little jitter, well within the tracking range of the
phase-lock-loop, produces bit slippage (loss of bit sync) at SNR less than 10 dB. The
effect of this on data recovery is appreciated when one considers data frames of, say,
1000 bits, and realizes that each time bit slippage occurs at least 2 frames of data are lost
(of course, it is possible to recover one of these at the expense of an inordinate amount of
computer time, hardly worthwhile in the author’s opinion). Consequently, test data on
synchronization characteristics, including bit sync acquisition time, and tracking, have
been obtained for simulated signal conditions, as well as actual telemetry data.

This paper begins with the definition and discussion of performance parameters and
characteristics on which test data has been obtained. This is followed by the presentation
and discussion of the test data. The next section describes the methods and
instrumentation employed. Lastly, a possible way of unambiguously specifying
synchronizers is suggested. The conclusion inevitably completes the paper.

Performance Parameters    The parameters (also referred to as signal conditions)
affecting the performance of synchronizers are:

1. Signal-to-noise Ratio (SNR)
2. Signal jitter
3. Signal amplitude
4. Signal wave form



5. Signal base line and DC offset
6. Signal pattern (data contents, i.e., distribution of the 1’s and 0’s)
7. Signal code, i.e., SP, NRZ-L, etc.

In this paper, these parameters are defined as follows:

1.   SNR - this is the ratio of rms signal to rms noise referred to the signal base band (also
referred to as signal frequency or data bit rate), and is measured in dB. This definition is
equivalent to “signal energy per bit per noise power density” (ST/No).

2.   Signal jitter - is defined as the frequency deviation, )f, from the nominal signal
frequency at a given rate, fm (modulating frequency) or a known spectral distribution as
shown in Figures 1 and 2. Of course, )f may vary from a positive to a negative value in a
sinusoidal or any other specified manner. Both )f and fm are given in % of signal
frequency.

This definition is chosen because )f can be easily simulated by modulating the test
frequency source VCO at any desired fm, or over any random range of fm’s (as described
later), and measured accurately and directly by means of an appropriate counter or
spectrum analyzer. Since, in our experience, the predominant jitter source has been the
spacecraft tape recorder, the produced jitter (wow and flutter in this case) occurs in the
form of )f at discrete and approximately sinusoidal fm’s. Obviously, since frequency and
phase are related (the former being the derivative of the latter), it is possible to convert
frequency into phase measurements, and vice versa. However, the difficulty arises in
making accurate measurements of phase deviation and the rate at which it occurs. It turns
out that the phaselock-loop is sensitive not only to )f but also to fm.

3.   Signal Amplitude - this is the amplitude range over which the input signal is
expected to vary, and is to be accommodated by the input amplifier and AGC.

4.   Signal Wave Form - this describes the extent to which the input signal is prefiltered.

5.   Signal Base Line - this is defined as the variation of the signal center line (1/2 of
peak-to-peak signal amplitude, normally at ground). If this center line does not vary, and
is above or below ground, then, it is referred to as DC offset.

6.   Signal Pattern - is defined as the distribution of bit values in the data stream. It may
also be described by “transition density,” which means the number of transitions from
one binary value to the other (“1” to “0” or vice versa) over a given period of time. For
example, a transition density of 1/10 means that in 10 consecutive bits there is only one
change from binary “1” to binary “0” (or vice versa). It should be noted that for a SP



signal consisting of all 1’s or 0’s, the transition density according to this definition is
zero. In other words, this definition distinguishes between signal (voltage) and data
transitions.

7.   Signal Code - is defined as shown in Figure 4. Inverting the voltage polarities will
simply complement the code.

Performance Characteristics    Performance characteristics are functions of
performance parameters. The distinction between parameters and characteristics is made
in order not to lose sight of what is presented to and what is expected from the
synchronizer. In its simplest form, Figure 5 shows the basic constituents of the
synchronizer, viz., the signal detector/conditioner and the phase-lock-loop (PLL)/bit
synchronizer. The detection of data is characterized by the bit error rate ($), and
intersymbol interference (I), whereas the clock (or bit synchronization) is characterized
by phase shift, bit rate tracking, bit slippage, and bit sync acquisition, all of which affect
the recovery of telemetry data, particularly at low SNR’s. Though the data and clock are
certainly interdependent, the characteristics of both must be known in order to determine
the overall performance of the DPS. Thus, the definitions of performance characteristics
considered in this paper are as follows:

1.   Clock Phase-Shift - this phase-shift (2) (also called clock jitter) is defined with
respect to the reference frequency which is the data bit rate. The measurement thereof
indicates the number of times 2 exceeded a prescribed limit in a given sample size. For
example, “2 > *B/2* = 1 X 10-3 means that 2, on the average, exceeded + or - B/2 once
every 1000 cycles (bits).

2.   Bit Slippage - is defined with respect to the reference bit rate as an increase or
decrease in the clock frequency, or 2 $ B . This constitutes loss of bit sync, of course. Bit
slippage, s, is measured as the average number of times it occurs over a given period of
time. Thus, “s = 5 x 10-6 ” means that, on the average, the clock (PLL) slips 5 times in
106 bits. It is observed that for SP signals loss of phase ambiguity resolution also
constitutes bit slippage.

3.   Bit Rate Tracking - this is defined as the range of )f over which the clock is to
follow the variable (jittering) reference bit rate both in frequency and within a tolerable
2. Although it may seem redundant because of its similarity to bit slippage, it is included,
however, as a performance characteristic for higher SNR’s at which slippage is not
expected to occur.

4.   Bit Sync Acquisition (BSA) - this is defined as the time (usually in bit periods)
required by the PLL to establish and maintain the data bit rate and phase from the



moment the signal has been applied to the synchronizer. The measurement is made with
respect to the reference frequency, and the allowed phase-shift, )2, as shown in
Figure 3. For example, bit sync acquisition (BSA) of, say, 1000 bits means that the PLL
took 1000 bit periods to acquire (pull in) bit sync and remain in lock for a definite period
of time.

5.   Intersymbol Interference - by this is meant the sensitivity of the data detector to data
bit patterns and band limiting. Any given pattern equally affected by noise, or other
disturbance, is expected to be detected with the same number of errors in every bit
position by an ideal detector.

6.   Bit Error Rate ($) - this is self explanatory. It is measured with respect to the
reference data, making a bit-for-bit comparison, and is compared with the optimum for
given SNR’s. The optimum error rate, Pe, is given by

where S = signal in volts rms
F = noise in volts rms (white Gaussian)

and the detector is assumed to be a matched filter. The optimum curve of Pe vs. SNR is
shown in Figure 6.

Performance Of Synchronizers    The performance data presented herein was obtained
on synchronizers employing basically full bit integrate and reset (I&R) or filter and
sample (F&S) detectors, and second order PLL’s (consisting essentially of a VCO, phase
detector, and low pass filter). In all cases, the I&R detector proved to be as good as or
from 1 dB to 3 dB better than the F&S with regard to the overall performance.

1.   Bit Error Rate vs. SNR:  The range of $’ s due to various synchronizers represented
by curves 1,2,3, and 4, is shown in Figure 6. It is interesting to note that synchronizers
designed within the past 2 years (3rd generation, as it were) performed between curves 1
and 2. However, some of these began to slip (approximately at a rate of 2 x 10-6) at SNR
of 5 dB, while others maintained bit sync down to SNR of -3 dB. This performance held
for both SP and NRZ-L codes. The signal frequency was stable, and the data was
random.

2.   Bit Sync Acquisition vs. SNR:  Generally, BSA for SNR greater than 7 dB was
measured to be less than 1000 bits. This was true for PLL in narrow bandwidth mode so
as to produce minimum $. However, at the expense of $, it was possible to reduce the 



BSA by an order of magnitude by increasing the PLL bandwidth. A considerable
difference in performance was observed for SNR less than dB. Here, by necessity, the
PLL had to be in the narrow bandwidth mode, and the BSA increased up to 3000 bits.
Some synchronizers which maintained bit sync down to -1 dB of SNR could not acquire
even within 104 bits, while others acquired within 2000 bits. For SNR of -3 dB, it took,
on the average, 3000 bits (certainly not by design! ).

3.   Bit Slippage vs. SNR + Jitter:  For random jitter, as shown in Figure 2, at  )f of
±1.5% and fm randomly distributed up to 3%, a minimum SNR of 7 dB (magic number?)
was required for the “best” synchronizer to produce an average slippage rate, s, of 1.6 x
10-5. The degradation of $ due to this amount of jitter was 2 dB (i.e., without jitter $ = 2
x 10-3, while with jitter $ = 1 x 10-2). The same synchronizer, for SNR of 10 dB, had s of
3 x 10-6 (and $ = 1 x 10-3) , and for SNR of 15 dB, had s less than 1 x 108 (and $ < 1 x
10-5). The other synchronizers did considerably (1 to 2 orders of magnitude) worse. The
BSA was not affected appreciably either way. In this test, it was observed that some
synchronizers favored SP while others performed somewhat better with NRZ-L data.

In the following 2 tests, the signal frequency was modulated with (a) )f of ±. 5% and (b)
)f of ±1.5%, both at sinusoidal fm’s, as shown in Figures 7 and 8, respectively. In
Figure 8, s1 and s2, with corresponding, $1 and $2, apply to 2 representative synchronizers
tested under the same conditions. In Figure 7, s2 and s3 correspond to the same
synchronizer but for different SNR’s, while s1 corresponds to another synchronizer (same
as s2 in Figure 7). All synchronizers tested fall into one of these 2 performance
characteristics. Although the intent here is not to discuss the reasons for these
differences, it is relevant to state that the designs of the corresponding PLL’s are
different.

Referring to Figure 8, it is evident that the effect of fm on the slippage rate is significant.
Note that over a certain range of fm, slippage increased sharply. Slippage above 1 x 10-3

was not actually measured, therefore the dotted portions of these curves are questionable.
However, it was observed that even in these regions the PLL’s did not slip (i.e.,
maintained bit sync) once in a while. For smaller A f (up to ±0.5%) slippage decreased
considerably with both types of PLL’s, however, as shown in Figure 7, one type
remained fairly constant, while the other produced maximum slippage of 3 x 10-5 over a
narrow range of fm, outside which slippage diminished by an order of magnitude.

For higher SNR’s up to 15 dB the curves maintained roughly the same shapes. It is
interesting to note that even at SNR of 15 dB and )f up to ±1.5%, slippage up to 4 X 10-5

did occur within the same sensitive range of fm as at the lower SNR’s. As before, the
applied data was random, and the performance held equally for SP and NRZ-L, as well
as for different bit rates.



4.   Bit Error Rate vs. Band Limiting:  This test was made to determine the effect on $ by
limiting the signal and noise bandwidth, as is the case in actual operation with tape
recorders and demodulators. By band limiting the signal and noise with a low-pass filter
(SKL, Model 302, 36 dB/octave) the following data were obtained:

(a)   For SP code, band limiting at twice the bit rate produced a degradation in $ of
0.5 dB to 1.5 dB with various synchronizers.

(b)   For NRZ-L code, the same results were obtained for band limiting at bit rate, and a
degradation of 1 dB to 2 dB was observed for band limiting at 1/2 bit rate.

Similar results were obtained when the signal and noise were recorded at tape speeds
producing approximately the same band limiting effect. It is worth noting that for a small
penalty in performance it is possible to save magnetic tape by recording at higher
densities.

5.  Tracking:  In discussing this data, a distinction is made between static and dynamic
tracking. When the signal bit rate is off by a fixed amount from the expected, i.e., )f at
zero fm, tracking will be considered as static. Otherwise, when fm is not zero, tracking
will be dynamic.

Most synchronizers performed well within their respective tracking ranges for static )f.
Some exhibited negligible degradation in $, and s, for )f up to 40% (not measured for )f
> 40%), but required a minimum SNR of 7 dB, and more than 104 bits to acquire bit
sync. Some required higher SNRI’s (up to 10 dB) as the )f increased (up to 10%) and
the PLL bandwidth was extended correspondingly, but the BSA was not affected. Other
synchronizers tracked statically up to )f of 3% at SNR greater than 1 dB, with attendant
slippage within the range of 1 x 10-5 to 1 x 10-7 at SNR’s less than 5 dB, and negligible
(< 1 x 10-7) slippage for SNR > 5 dB.

Dynamic tracking was not generally accomplished without slippage, as mentioned
previously, except at SNR greater than 15 dB. At )f less than .1% and all fm, or )f up to
3% and fm less than .01% tracking was performed without appreciable degradation in $,
s, and BSA for SNR’s greater than 1 dB.

6.   Performance vs. Base Line Variation:  This perturbation in addition to noise and
jitter, does, as expected, degrade the overall performance considerably. Variations of less
than 20% of signal amplitude at frequencies less than 0.1% of bit rate were tolerated by
most synchronizers for SNR greater than 7 dB. However, when added to jitter, both s and
$ increased considerably beyond the acceptable level of performance.



7.   Performance vs. Transition Density:  As one would expect, synchronizers are more
sensitive to low transition densities (TD) of NRZ-L than SP data. With NRZ-L data
having an average TD of 1/20 the BSA increased by a factor of 2 or 3, and tracking
became more critical. However, for SNR greater than 15 dB (based on random data), TD
of 1/32, and stable bit rate, it was still possible to acquire and maintain bit sync. In case
of SP, the performance was slightly better, but the ambiguity resolution problem kept
cropping up. Once in sync, however, the synchronizers were able to maintain it for more
than 107 bits.

8.   Intersymbol Interference:  Although tests on this characteristic have not been
completed, it is worthwhile to report on the preliminary findings as follows:

(a)   there is a measurable difference of bit errors vs. bit pattern in various synchronizers,
(b)   some synchronizers are sensitive equally to both strings of 1’s and 0’s, while others
are sensitive more to one string than the other (a string in this case consists of no more
than 6 consecutive 1’s or 0’s),
(c)   the ratio of the largest to the smallest number of errors in given bit positions of a
data pattern varies among synchronizers from 2:1 to 5:1 (the ideal ratio would be 1, of
course).

These results were obtained for SP data with noise being the only error causing agent.
Tests including NRZ-L data, and perturbations in addition to noise are yet to be
performed.

Synchronizer Test Facility    The synchronizer test facility is shown in Figure 9.
Equipment not commercially identified or listed herein is “home made.”

1.   Signal Source:  Both NRZ-L and SP data were generated by the Bendix SPS-2000
stored program simulator and the random (as random as a noise diode can produce)
signal generator. Except where noted, the signal was “square” and balanced about
ground.

2.  Perturbation Source:  “White” Gaussian noise was obtained from an Elgenco 610A
noise generator. Jitter was produced by modulating the bit rate source VCO with a
Wavetek Model 111 signal generator, which was also used to provide base line variation.

3.  Test Equipment:  The test equipment consisted of the Data Analyzer and Test
Instrumentation subsystems. The Data Analyzer (DA) was capable of frame
synchronization, frame sync shift measurement, frame sync bit error rate measurement,
and detection of deterministic data patterns up to 32 bits. Various timing and gating
signals for the requisite measurements were also provided by the DA. The Test
Instrumentation (TI) consisted of a bit comparator, phase comparator, ratio counter,



sample size control, bit delay (continuous and discrete up to 11 bits) error strobe control,
linear wide band adders, low pass filters up to 1 MHz, HP 3400A true rms meter, HP
5532A counters, and appropriate interfaces to a printer and digital recorder.

4.  Tape Recorders:  Two analog tape recorders, Ampex FR600 and CEC VR2600 were
used.

5.  Auxiliary Equipment:  A phase modulator and RF signal generator, built for GSFC by
Dynatronics, RF receiver built for GSFC by General Dynamics, and an Electrac 215
phase lock demodulator were used to verify some of the simulated tests.

Measurement Methods    The following is a description of the basic approach taken to
obtain the data presented in this paper.

1.   Signal and Noise Measurement:  Both signal and noise were measured at the input to
the synchronizer. The signal was always “square” and “random,” while the noise was
band limited (lowpass filtered) to 5 times bit rate up to 200 Kbps, and less above 200
Kbps. This meant that the actual noise power applied had to be No + 7 dB (assuming that
a 36 dB/octave roll-off was sharp enough), where, in general, N = No + 10 log
(NBW/BR) + 10 log (ENBW/NBW). The signal was also measured in dB with the same
rms meter. It was observed that the rms voltage of a “square wave” and that of a “random
square” signal, both balanced about ground, was practically the same. Therefore, no
correction factor was necessary to account for the difference in wave form, particularly at
bit rates greater than 100 Hz. When NRZ-L low transition data was tested, the signal
measurements were actually made with “random” data, and then the data format was
changed by program from “random” to low transition density.

2.   Signal Jitter (Af at fm) Measurement:  The amount of jitter introduced to the signal
was produced by modulating the source frequency VCO of the signal simulator. The
amplitude of the modulating frequency, fm, was adjusted until the signal bit rate deviated
by ±)f, which was measured by a frequency counter (at very low fm) , and verified by a
spectrum analyzer. Once )f was established, fm was increased to the desired value,
while continuously monitoring its constant amplitude on the scope, in order to ensure the
same )f for the entire range of single fm’s.

The “random” distribution of fm was derived by modulating the source VCO with
“random” noise, which was band limited to the desired cutoff frequency by the low pass
filter. The noise amplitude was adjusted until Af as observed on the spectrum analyzer
reached the desired range (See Figure 2).



3.   Bit Slippage Measurement:  This measurement, perhaps the most difficult from an
accuracy point of view, was made in 2 ways (a) by employing the DA where loss of
frame sync was produced solely due to slippage, and (b) by using the TI to determine
clock phase shift and clock ratio with respect to the reference frequency. In the first case,
it was established beforehand that by allowing the frame sync (actually any periodically
occurring pattern of 32 bits) to have between 30% and 40% bit errors in the lock mode,
the loss of frame sync was then due exclusively to bit slippage for SNR greater than
-3 dB and sample sizes up to 107 bits (larger samples were not used). The frame length
was selected judiciously to be 256 bits so as to make the measurements accurate to
approximately within 500 bits. This means that if “ s = 1 x 10-4 ” it may actually have
been 1/9,500 or 1/10,500. Actually, for SNR greater than 7 dB, the accuracy was within
256 bits, because the frame synchronizer took, on the average, 1 frame to correctly
acquire frame lock with 5% to 10% allowed bit errors. The measurement consisted of
observing the frequency of frame sync losses over a given period of time (bits). By
proper application of control signals, it was possible to discount the time during which
the PLL was not in lock.

The second method was used for verification during preliminary tests, which were to
correlate the “frame sync loss” observations with both the 2 equal to or greater than B
and clock ratio measurements. Bit slippage was exhibited by the clock not being equal to
the reference frequency (or the ratio … 1), or 2 being equal to or greater than B. Having
established the validity of the first method, the second method was then used alone to
obtain the final data.

4.   Bit Sync Acquisition Measurement:  This measurement was made in accordance with
the definition given previously. The TI determined the number of bits the PLL required
to pull-in within 90E of the reference frequency. This was verified by the DA, which
counted the total number of bits taken to acquire frame sync from the time the signal had
been applied to the synchronizer. Subtracting the average number of frames (1 or 2
depending on SNR and allowed bit errors) required to establish frame lock from the total
number of bits counted gave the BSA.

5.   Bit Error Rate Measurement:  A bit-for-bit comparison was made between the
reference and detected data, and the number of disagreements was counted over a given
period of time (bits).

6.   Intersymbol Interference Measurement:  The DA examined the recurring data pattern
(up to 32 bits) and each erroneous bit position was recorded on the digital recorder. This
information was processed on a computer, which also totalized the number of errors in
each bit position.



Specification Of Synchronizers    In order to minimize the problem of misinterpretation
of synchronizer specifications it is suggested that the definitions of performance
parameters and characteristics described in this paper be adopted. It should be
recognized that quoting of numbers and/or referring to circuit features, e.g., “difference
integral,” “phase jitter 20%,” etc., without precisely defining them, is simply
unacceptable.

To properly specify synchronizers, 4 major aspects must be considered. They are:

1.  Signal conditions, i.e., the kind of signals which the synchronizer shall operate with,
and for which the required performance is valid;

2.  Operational features, i.e., setup, controls, indicators, power requirements, etc.;

3.   Performance characteristics, i.e., bit error rate, bit slippage, bit sync acquisition, etc.
These characteristics must be stated clearly for specific signal conditions and, preferably,
should be accompanied by test data when proposing certain models.

4.   Mechanical features and environmental conditions.

Overspecification should be avoided. It is questionable indeed, if there has been an
application in PCM telemetry of 1 bit per second signal bit rate, or a need for an overall
operational requirement from 1 bps to 1 Mbps. Moreover, it is doubtful whether the user
or manufacturer has actually tested the equipment at these extremes under the various
signal conditions. Yet, when one reads the specifications it appears to him that this has
been done. Therefore, it is recommended that the user accurately describe the input
signal of interest, the required response to it, and how both are to be measured. The
manufacturer, in advertising his equipment, should state explicitly the test conditions
under which the performance data was obtained, and describe the measurement methods
used.

Conclusion    Test data obtained on PCM synchronizers indicates that SP and NRZ-L
signals having stable bit rates and random data can be detected within 1 dB of the
optimum for SNR’s greater than -3 dB (ST/No). Bit synchronization is shown to be
adversely affected by the modulating frequencies, fm, as well as by )f. Therefore, when
considering jitter perturbations it is not sufficient to know the peak-topeak, or rms phase
deviation, but also the manner in which it deviates, i.e., the specific signal characteristic
()f, fm) which produces this phase deviation. When jitter is added to the signal in
addition to noise, the PLL begins to slip (skip cycles, lose lock) even at relatively high
(greater than 10 dB) SNR’s. This bit slippage results in loss of frame sync which
decreases data recovery. Synchronizers tested and found to have less bit slippage



actually recovered more real telemetry data than those which exhibited higher slippage
rates, even though the bit error rates were comparable.

The synchronization aspect of synchronizers can be tackled by employing a relatively
simple frame synchronizer, 2 counters, a signal simulator, and perturbation generator.

A measurable set of parameters and characteristics defining synchronizer performance
has been described, and used to test synchronizers. These definitions are suggested as a
possible means of specifying PCM Bit Synchronizer/Signal Conditioners.
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Fig. 1 - Sinusoidal Jitter. Fig. 2 - Random Jitter.

Fig. 3 - Bit Sync Acquisition. Fig. 4 - Telemetry Data Codes.

Fig. 5 - Bit Synchronizer/Signal Conditioner.



Fig. 6 - Bit Error Rate vs. SNR.

Fig. 7 - Bit Slippage vs. fm For )f = ±0.5%



Fig. 7 - Bit Slippage vs. fm For )f = ±1.5%

Fig. 9 - PCM BSSC Test Facility.



1 The bit synchronizer used is Dynatronics Model BSC-307.

BIT ERROR RATES IN THE PRESENCE OF UNTRACKED TIME
BASE FLUCTUATION

A. O. ROCHE
General Dynamics

P. MALLORY
Dynatronics

Summary    This paper presents a simple four-step procedure for estimating the error
probability of an NRZ PCM Synchronizer and Detector operating on an NRZ Bit Stream
in the presence of a fluctuating data frequency source. The four steps are as follows.
First, the bit error probability is calculated for Gaussian time base fluctuation as a
function of the energy per bit to noise power density ratio. The second step is to model
the synchronizer as an ordinary linear servo for small phase errors and a closed loop
bandwidth, small compared to the bit rate, so that effect of the randomness of the data is
averaged out. With the linear model, the time base error in tracking the input signal is
calculated also utilizing this approximation as if there were no additive noise. The third
step is to calculate the mean squared time base error due to the additive Gaussian noise
alone. The fourth step is to combine the errors found in steps two and three as if they
were independent and use the graphs found in Step 1 to determine the error rates. It is
assumed that the total untracked time base fluctuation is Gauss ian.

The calculated error probabilities are compared with measured data. There appears to be
good correspondence between the calculated and measured error probability.

Experimental Set-Up    The bit synchronizer and its accompanying input signal are
shown in Figure 11. The bit rate of the input signal simulator is determined by a VCO
which is noise modulated by lowpass filtered,white, Gaussian noise to generate the time
base fluctuation. The rms value, Ff, of the frequency modulation of the bit clock is
measured by triggering an’ oscilloscope on the leading edge of the bit clock and
observing the excursion of the following zero crossing when frequency modulating with
a sine wave. The rms value of the sine wave is measured using a true rms meter. The
corresponding rms frequency modulation is the peak-to-peak value divided by 2%2. A
noise generator is substituted for the sine wave generator and its rms value measured by
the same meter. A random bit stream is generated by sampling wide band noise.



Wideband, Gaussian noise is added to the signal. The bandwidth of the signal plus noise
is ten times the bit rate, fb. The bit rate for all data reported here is 100Kb. The NRZ
signal plus noise is then put into a phase detector which is designed to give an
approximate maximum likelihood estimate of the bit phase when used in conjunction
with a phase lock loop. In the phase-lock loop, the phase error signals are filtered in the
compensation network and used to control the local clock which is a voltage controlled
oscillator (VCO) with a linear control characteristic. The control loop bandwidth is
determined by the gain factors of the compensation network and the VCO. Phase lead
compensation, to provide stability with the appropriate damping factor, is introduced by
adding the phase error signal directly to the VCO with a proper gain factor in parallel
with the integral of the phase error which is generated by an up down counter. Under the
assumed conditions, where the control loop undamped natural frequency is between
0.1% and 1% of bit rate, and for bit error rates of practical interest, the quantization error
of the instrumentation can be neglected. The detected bit stream is compared with the
input bit stream and the errors counted. Sufficiently large samples were taken to provide
good bit error probability estimates.

Error Probability Calculations    The bit detection is done by a “dumping integrator”
which integrates for to seconds where to is the bit duration. In order to calculate the error
rate in the presence of time base perturbations, it is assumed that the perturbations are of
low frequency compared to 1/to, so that the bit duration is almost constant and the time
base error can be modeled as creating a time displacement between the beginning of a bit
and the beginning of the integration period, while at the same time, the bit period and the
integration period stay fixed at to seconds. With this assumption, the bit error rate for
NRZ PCM is given approximately by the equation given along with its plot in Figure 2.

Time Base Fluctuation Tracking Errors    The servo system shown in figure 1 is
approximated as being a second order servo with an undamped natural frequency of fn

cps and a damping factor of .7. It can be shown that such a servo has an error transfer
function which can be approximated as shown in figure 3. The phase perturbation of the
data stream is produced by frequency modulating the bit clock with white noise which
has been passed through a four pole butterworth which cuts off at fq cps. This gives a flat
frequency modulation spectrum, as referred to baseBand, of one sided density J out to fq.
The one sided power spectrum, G(f), of the resulting phase perturbation can be obtained
by dividing the frequency modulation spectrum by (2 B f) and is shown in figure 4.

The mean square value of the resulting phase perturbation is then



(1)

Since the noise bandwidth of the four pole filter is very close to fq, J can be obtained
from the relation

(2)

where Ff
2 is the mean square value of the frequency modulation. Actually, the spectrum

of the noise source used cuts off below about 10 cps, but it has been assumed in the
above, as an approximation, that the spectrum extends to zero frequency.

Total System Time Base Error    The system is assumed to have two sources of time
base error. The first is the error in tracking the time base fluctuation of the input signal
and the second is the error caused by the presence of additive Gaussian noise with the
sigpal. The mean squared values of these two errors are delineated by Fe

2 and Fn
2

respectively. It will be assumed that these two errors are independent and therefore the
total mean squared error is given by

(3)

We will use the result obtained earlier in the equation (39) of “A Maximum Likelihood
Bit Synchronizer”, given in Session I of this conference that

(4)

where No is the two-sided noise power density, to is the bit duration, S is the signal power
and ) is the time displacement between the sampling times of the two matched filters in
the maximum likelihood synchronizer.

Discussion    Figure 5 shows test results on bit error probability versus (S/N) in a
bandwidth equal to half the bit rate. This corresponds to E/No where E = bit energy and
No is the two sided noise power spectral density. For this figure, the bit clock was not
frequency modulated. A random bit stream was used. The curve drawn is the theoretical
curve for NRZ plus wide band Gaussian noise using a perfectly synchronized integrate
and dump detector. Note that both for hard wire and for narrow band (fn=100)



synchronization, very good agreement with theory is obtained. With the narrow band, it
is seen from Table I that Fn < 0.01 so very little performance is lost as indicated. For the
wide band, fn =1000 Hz the number of errors is increased. As seen from Table I, for zero
frequency modulation of the clock, the agreement with linear theory is quite good.

Figure 6 shows test results with noise and bit clock frequency modulation. As seen from
Table I the agreement with theory is good as long as there is no slippage. It is interesting
to note that when the calculated time base error due to bit clock modulation is larger than
the calculated error due to the additive noise, the agreement with theory is better than
vice vers a. This may indicate that the system is more sensitive to the assumptions and
approximations in the additive noise theory leading to equation (4). It may also be seen
that the system seems to be more sensitive to noise induced time base error, relative to
PLL slippage, than to clock induced time base error possibly for the same reason. The
slippage seems to start when the phase errors get to 0.05 bit periods rms. This
corresponds to about 0.3 radiams rms.

Acknowledgment    The authors wish to acknowledge the contributions of their
associates at Dynatronics who supported this work and, in particular, to R. C. Payne,
J. F. Alexander and R. R. Green.





Figure 1.  System Block Diagram



Figure 2.  Bit Error Rate As A Function Of Untracked Gaussian Time Base Error



Figure 3.  Approximate Phase Error Transfer Function

Figure 4.  Time Base Spectrum



Figure 5.  Bit Error Probability Data With No bit Clock Modulation



Figure 6.  Bit Error Probability Data With Bit Clock Modulation



THE SIGNAL-TO-NOISE RATIO ESTIMATION TECHNIQUES
FOR PCM SIGNALS

JOHN Y. SOS
NASA, Goddard Space Flight Center

Information Processing Division
Greenbelt, Maryland

Summary    Reliable estimation of signal-to-noise (S/N) ratio in a demodulated PCM
telemetry signal can be useful in evaluating the performance of the complete telemetry
link, including its signal detection and data processing portions.

This paper describes three potentially practical methods developed at Goddard Space
Flight Center for estimating the S/N ratio in a PCM signal. One method referred to as
“spectral null” method uses spectral characteristics of PCM’ signals to estimate the S/N
ratio, the other two use statistical properties of the signal, i.e., its mean value and
variance. These two methods are known as “variance estimations and “null zone.”

The implementation of each method is discussed. The spectral null method takes the
least amount of equipment, but is more difficult to calibrate and operate over a wide
range of bit rates, than the other two systems. All three approaches, however, are
uncomplicated enough to be included into almost any existing PCM data handling
system.

An analysis of the performance characteristics of each system is made. It is shown that
the variance estimation method is the most versatile. It can reliably estimate the  S/N
ratio to within 1.5 db over a range of  S/N ratios from 0 db to +10 db. (The  S/N ratio is
defined as the ratio of signal energy per bit/noise power density.) Under certain
conditions all three methods can provide estimates to within 1 db, especially over a  S/N
ratio range from +3 db to +10 db.

I.   Introduction    The output of a demodulator is the last point in which a serial PCM
signal is still in an analog form. Analysis of this signal can contribute much to the
determination of performance of the complete link. The techniques that are now being
widely used for determining link performance are (a) analysis of receiver automatic gain
control (AGC) signals, and (b) determination of bit error rate from the evaluation of
errors in the frame synchronization pattern. In many applications both of these methods
leave a lot to be desired as signal quality estimators. The AGC voltage, of course, is the



1 Suggested and implemented by Mr. W. P. Barnes of Goddard Space Flight Center

measure of the signal level only and carries no information on the noise power spectral
density. In addition, there are problems with linearity and calibration of present-day
AGC signals. The second widely used method of  S/N ratio determination consists of
counting the errors in the frame synchronization pattern over a predetermined number of
frames and based on this predicting the  S/N ratio at the input to the PCM signal
conditioner. The main disadvantage of this approach is the requirement to accumulate a
large number of samples before a statistically meaningful measurement can be made.
Since the frame synchronization pattern typically constitutes only three percent of the
total bits in a frame, and the bit error rate is low, the method becomes impracticable
except when the  S/N ratio remains constant over a sample consisting of millions of bits.

A satisfactory  S/N estimation method should possess the combination of at least the
following capabilities: (a) 1 db measurement accuracy, (b) measurement sample sizes in
the range of 103 - 104 bits, and (c) operation in the range, of  S/N ratios from 0 db to at
least +10 db. an this paper the  S/N ratio is defined as the ratio of signal energy per bit to
noise power density.) the above range is of interest in data quality control and link
performance evaluation because the link exhibits a drastic change in its performance. For
example, probability of bit errors at +10 db is approximately 4 x 10-6 whereas at 0 db it
increases to 8 x 10-2, making the data unusable in many applications. In addition, many
PCM bit synchronizers exhibit at least bit slippage in the 0 to +3 db range, if not
complete loss of synchronization.

Since no known technique suitable for application in a space telemetry channel
encountered at the Goddard Space Flight Center was available, alternate methods of  S/N
ratio estimation were developed and investigated. The implementation and preliminary
performance of three of the most promising methods are the subject of this paper.

II.  Spectral Null Method    This method1 uses spectral characteristics of baseband PCM
signals to estimate the  S/N ratio. The power spectral density of a random NRZ signal
(Ref. 1) is in the form of:

(1)

where: K = average signal power in watts
T = signal bit period in seconds
f = normalized frequency (bit rate - 1 Hz)

and that of a split-phase PCM signal:



(2)

Equations (1) and (2) will yield zero when the normalized frequency is equal to the bit
rate in the first case and to twice the bit rate in the second case. The power spectral
density of a split phase signal is plotted in Figure 1. It should be added that the presence
of a null at 2f is independent of data content.

Assuming that the noise density is uniform over the data frequency range, a measurement
of noise power density in the spectral null region is made by placing a narrow band-pass
filter with bandwidth B2 centered at the null frequency and measuring the power of the
output of the filter (PN). A low pass filter of wide enough bandwidth B1 to encompass
most of the signal energy, again followed by a power measurement device, is indicative
of signal-plus-noise power P S+N ). Through proper scaling to compensate for the
difference in the equivalent noise bandwidth (Ref. 2) between the two filters, the  S/N
ratio is calculated as follows:

(3)

The implementation of such a system is shown in Figure 2. In one implementation two
rms voltmeters were used for measuring the mean square voltage. Analog squaring
modules, however, were found to be more suitable for a wide range of bit rates. Typical
performance of this measurement technique is shown in Figure 3.

The spectral null method is most suitable for applications where one is dealing with few
different bit rates and the bit rates are relatively stable. Bit rate changes require a
recalibration of the system and bit rate instabilities shift the null point and therefore
cause measurement errors. The method is not suitable for use with tape recorded data
unless the spectrum of the data is contained well within the frequency response range of
the rape recorder and tape speed errors can be kept at a minimum.

III.  The Variance Estimation Method    In many telemetry channels, particularly the
deep space channel, Gaussian-type noise predominates. In the method described below
the statistical properties of a PCM signal disturbed by such noise are utilized for
estimation of the  S/N ratio. The  S/N ratio is expressed as: x̄2/F2 , where x̄ is the signal
mean and F2 is the variance. A convenient method of computing these parameters in
described below.



An “integrate-and-dump” circuit, integrating over one data bit period, serves as the
central element in the system. The integrator outputs are samples of a Gaussia disturbed
random variable, whose mean x̄ and variance F2 are directly proportional to the signal
strength and noise power of the signal. The polarity of the mean is positive or negative
depending on whether the input represents a one or a zero. The relationship between the 
S/N ratio at the input to the integrator to the  S/N ratio at the output of the integrator is
developed in Ref. 3. The results indicate that the integrator enhances the  S/N ratio by
3 db without changing the noise statistics.

The following expression is used to obtain an estimate of the mean:

(4)

where: xj = “integrate-dump” voltage at end of each sample (bit)
n  = number of samples in a measurement

It should be noted that this expression differs from the commonly used form since it
involves an absolute magnitude of individual integrator samples xj. In reality, one deals
with a situation where samples xj belong to a Gaussian distribution with a mean of either
+       (a “1” bit, for example), or -       (for a “0” bit). Without a priori knowledge about
the polarity of the individual transmitted bits, it is, of course, impossible to determine
whether a given sample xj belongs to the distribution with the +       or -      mean,
respectively. As long as the bit error rate in the signal is low, i.e., when the variance of
the signal is small in respect to the true mean, the above expression represents the true
mean. It becomes more of an approximation as the  S/N ratio decreases. For example, at
an input SNR of 0 db, the estimate is in error by 0.4 db (Ref. 4). In a case where the SNR
is above 3 db, however, the error is neglibibly small. Since the region of interest in all of
these techniques is when the SNR is above 0 db, this method of mean estimation is
considered acceptable.

The variance F2 is expressed as:

(5)

A more convenient form of the above expression, from the standpoint of system
implementation is given in this expression:

(6)



This form allows one to perform the computation of      and         a concurrently, without
having to obtain the estimate of the mean previously.

A block diagram of a typical implementation of the variance estimation method is shown
in Figure 4. A standard PCM signal conditioner provides the bit rate clock, which in turn
furnishesthe system timing pulses. It was necessary to furnish a separate integrator, since
the intrate-and-dump circuit in most bit synchronizers was found to contain
nonlinearities that could not be tolerated in this system. The output of the integrate and
dump circuit is routed through an “absolute magnitude detector” (a full-wave rectifier) to
a voltage-to-frequency (v-f) converter and to an analog squaring circuit where squares of
the samples are obtained. This signal, in turn, is also converted to frequency. The outputs
of the v-f converters are gated on into two counters during the hold portion of the
integrator cycle. At the end of a given measurement interval, i.e., after a given number of
bit intervals, the counters contain a count proportional to the mean and mean square of
the signal. The expression of Equation 6 then is used to estimate the variance, and thus
the  S/N ratio.

Many variations in the implementation of the system can be envisioned. For example, in
place of the voltage-to-frequency converters one can use analog-to-digital converters, or
perform the summing function of the counters in the analog domain. Typical
performance of this method is shown in Figure 6. Theoretical curves were obtained from
Reference 4. The experimental results show that an estimate of  S/N ratio to within 1 db,
over a range from 0 db to +10 db can be obtained. In addition, this technique is not
sensitive to long term variations of signal mean, and is easily adaptable to a wide range
of bit rates.

IV.  The Null Zone Method    A variation of the variance estimation method is one
referred to as “null zone” method. It takes advantage of the amplitude distribution
characteristics of a PCM signal disturbed by noise. An amplitude distribution plot of a
PCM signal (at the output of the integrator), having a constant mean of either +     or -   
is shown in Figure 7. Two different  S/N ratios are depicted. If one now establishes a null
zone extending from k(-x̄) to k(+x̄), where k < 1, the events falling into this zone would
be directly related to the input  S/N ratio. For example, for      = 1 volt, k = 0.75, the null
zone would extend from -0.75 v to +0.75 v and all integrator output samples x. in this
voltage range would fall in the null zone. An implementation of this technique is shown
in Figure 8. The integrate-hold-dump circuit, the timing generator, and the PCM signal
conditioner are carryovers from the previous method. Counting of null zone events is
accomplished by dual voltage comparators and null zone logic. At the end of each bit
period, the voltage at the output of the integrator is compared against the null zone
limits. If it falls within the null zone, a count is added to the null zone event counter. At
the end of the measurement interval, the number in the counter is directly proportional to
the  S/N ratio. Figure 9 shows typical results obtained in cases where the sample size was



105 bit samples of data. Similar results were obtained in cases where the sample size was
104 bits. The null zone setting of 0.66 x̄ (extending from +0.66 to -0.66 volts for a ±1
volt signal mean value, for example) is linear over a large portion of the  S/N ratios of
interest.

Since this technique requires a constant value of the signal mean, only long-term signal
amplitude variations can be tolerated, thus an automatic gain control circuit is shown in
the diagram in Figure 8.

V.  Conclusions    Each of the 3  S/N ratio estimation methods discussed in this paper
offers advantages as well as disadvantages in performance and ease of implementation.
The spectral null method requires the minimum of equipment to implement, but it cannot
be easily adapted to a wide variety of bit rates and to signals originating in a tape
reproducer, The variance estimation method has a potential of being most accurate over a
wide range of bit rates and signal amplitudes. The null zone method can most likely find
applications where automatic sorting of signals into classes falling below or above a
certain  S/N ratio is required, since the output of the system is in the form of a count
proportional to the  S/N ratio.

Actual performance of all 3 approaches is comparable in the range of  S/N ratios from
+3 db to +10 db. In this range the  S/N ratio can be reliably estimated to within 1 db. In
the region below 3 db, the spectral null method offers best performance.

Even though these methods are useful primarily in channels where the noise can be
characterized as “white, Gaussian,” a characteristic applicable only to deep space
channels, they can aid in development of signal disturbance classification techniques in
cases where the disturbances are of a more complex nature.

It is hoped that the methods of  S/N ratio estimation presented in this paper will find
applications in the important area of telemetry data quality control.
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Fig. 1  Spectrum of Random Split-Phase PCM Signal

Fig. 2  Implementation of Spectral Null S/N Ratio Estimation Method



Fig. 3  Typical Performance of Spectral Null Method

Fig. 4  Implementation of Variance Estimation Method



Fig. 5  Timing Diagram, Variance Estimation Method

Fig. 6  Performance of Variance Estimation Method



Fig. 7  Amplitude Distribution of Noisy pCM Signal at Output
of Integrate-Dump Circuit

Fig. 8 Implementation of Null Zone Method



Fig. 9  Typical Performance of Null Zone Method
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Summary    For high data rate telemetry (above 100 Mbits/sec) multiphase modulation
effectively trades transmitter power to alleviate the RF bandwidth requirements. This
paper presents a unified method of synthesizing and analyzing multiphase systems. In
particular, the design of multiphase modulators and three types of coherent demodulators
are discussed in detail.

Included is a description of 400 Mbits/sec quadriphase system fabricated by TRW which
employs direct modulation and demodulation of an 8.5 GHz carrier and a transversal
filter to effect matched data filtering. This system operates within 2.5 db of theoretical
performance of coherent quadriphase.

Introduction    At high data rates, bandwidth is more of a constraint than transmitter
power. Therefore, telemetry system performance can no longer be improved by the well
known coding techniques that trade bandwidth for signal power. In this situation one
must attempt to improve system accuracy by trading signal power for bandwidth.
Multiphase modulation systems provide a means of attaining such a tradeoff. As is well
known, coherent biphase (PCM/PM) yields almost the lowest probability of error among
all multiphase systems. It can be shown that quadriphase yields the same probability of
error per bit as biphase but requires one-half the bandwidth of biphase. Higher order
phase systems, while requiring less bandwidth for a given data rate, yield increasingly
higher error probability for the same transmitter power.

In this paper, methods are given that allow one to synthesize multiphase systems. A
description of the methods of modulation is presented. Three ways of demodulation are
discussed. They are the multiplier loop, analog I-Q loop, and data estimation I-Q loop.
Of these methods the data estimation I-Q loop is preferred.

TRW has fabricated a 400 Mbits/sec quadriphase system which consists of a quadriphase
modulator, data estimation I-Q loop, and matched filter data detectors. The performance



of this system was measured and found to operate within 2.5 db of the theoretical
optimum.

Synthesis of Multiphase Systems    A digital N-phase modulated signal without regard
to filtering may be represented as

(1)
where

V = amplitude scale factor
2 = arbitrary carrier phase

Tc /2B = carrier frequency
ns(t) = phase modulation; ns(t) takes on one of N discrete values in each baud

time
For a quadriphase signal, (1) becomes

(2)
where F4(t) is a four-level pulse train which takes on the values ±3, ±1. Equation (2) may
be alternatively expressed as

(3)

where A(t) and B(t) are independent rectangular pulse trains which take on the values
±1. From the above it can be seen that a quadriphase modulator can be constructed as
shown in Figure 1.

For octaphase the representation is

(4)
where F8(t) takes on the values ±7, ±5, ±3, and ±1. A realization of an octaphase
modulation can be obtained by noting that (4) can be rewritten as

 
(5)

where A(t), B(t), and C(t) are independent rectangular pulse trains which take on the
values ±1. Another form of (5) is



The equation above shows that octaphase can be viewed as the sum of two dependent
quadriphase signals of unequal level. Further manipulation yields

(7)

where

This last equation shows that an octaphase modulator may be constructed by summing
the outputs of two dependent equal level quadriphase modulators as shown in Figure 1.
The procedure outlined above may be easily generalized to design of multiphase
modulators.

Coherent detection of an N-phase signal entails obtaining a carrier reference and
demodulating the data. Assuming for the moment that such a reference exists, one may
describe the detection process vectorially.

The received signal can be represented as a vector of the form

(4)

The demodulator is thus a device that operates on this vector so as to determine which
signal was sent with the smallest probability of error. It can be shown that if each signal
has equal probability of being transmitted and is perturbed by white gaussian noise, then
the receiver should select the signal point closest to the received point.1 Geometrically,
this means that the plane should be divided into disjoint areas or decision regions. An N-
phase demodulator will have N regions, each encompassing 2B/N radians.

An N-phase demodulator requires N/2 phase detectors and associated equipment as
illustrated in Figure 2. By placing the phase detector references orthogonal to the
boundaries of the decision regions, the output of each phase detector and integrate and



dump circuit combination, which is obtained by comparing the output to a threshold,
represents a specific region of the plane. Then by performing logic operations on these
outputs, the decision regions are realized.

In order to accomplish coherent detection, it is necessary to provide a carrier reference at
the receiver. The alternative to transmitting a residual reference is to construct a suitable
reference from the received data modulated signal. For an N-phase PCM/PM signal
(disregarding the effect of link filtering on the data signal), this can be accomplished by
multiplying by N, filtering, and then dividing by N. This removes the data and provides a
reference which has a log2N bit ambiguity. A tracking loop is desired for the filtering
operation to provide a narrow filter after the multiplication and to track the time
variations of the carrier phase. One wants to limit the bandwidth of the noise before the
nonlinear device but would still like to preserve the phase transitions in the signal. Thus,
the predetection and/or post-modulation filtering operation becomes a tradeoff between
preserving the signal waveshape and limiting the noise power. A basic multiplier loop to
provide a reference for N-phase is shown in Figure 3. In this mechanization, the VCO
output is multiplied by N to provide the phase detector reference for carrier
demodulation of the signal. This is equivalent to the use of a divider in performance. The
multiplier is simpler to construct and operate and only affects the frequency at which the
VCO operates.

The error signal developed by the N-fold multiplier loop is essentially sin [N,(t)], where
,(t) is the difference between the input carrier phase (excluding data transitions) and the
VCO phase. An alternative mechanization of this loop, referred to as the in-phase/
quadrature (I-Q) loop, can be generated by simply expanding sin [N,(t) ] as follows:

(9)

The generalized I-Q loop of (9) and Figure 4 simply consists of N-phase detectors
separated in carrier phase by B/N, the outputs of which are multiplied together to provide
an error signal to drive the VCO. The only essential difference between the multiplier
loop and the I-Q loop is that the I-Q loop allows filtering of the data at the outputs of the
various phase detectors before the final multiplication derives the error signal. The
equivalent filtering for the multiplier loop must be done in the IF filters before the
multiplier. This limits the flexibility somewhat. Given the outputs of any two of the
N-phase detectors of Figure 4, the output of any other can be generated by a linear
combination of these two. Therefore, the I-Q loop can be implemented by two phase
detectors, summers, and the product device which multiplies all of its inputs.



Inherent in the operation of the phase tracking loops discussed to this point is that noisy
signals are multiplied together. This problem is largely overcome by the use of the so-
called data estimation I-Q loop. This type of loop may be realized by passing the output
of the phase detectors through lowpass filters and operating on the resultants in a linear
manner. In the absence of noise, these outputs, Li(t), when the phase error is equal to ,
are

(10)

For quadriphase, using (3), equation (10) becomes

L1(t) = V [A(t) cos , - B(t) sin ,] (11)
L2(t) = V [A(t) cos , + B(t) sin ,]

(12)

(13)
This loop is shown in Figure 6. Note that by breaking the lead as shown in the figure, the
loop may be used for biphase.

Performance of Multiphase Systems    This section is devoted to a review of some of
the analytical information on multiphase systems that is available in the literature. To
begin with, the probability of error is given by



(14)

where
82 = S/NoR (2 log2 N)

S/No = signal power-to-noise spectral density ratio
R = data rate

For N = 2, equation (14) becomes

(15)

For N = 4, equation (14) becomes

 (16)

Note that on a per symbol basis the performance of biphase exceeds that of quadriphase,
but when the two systems are operated at the same data rate their performance is
equivalent on a per bit basis.

For larger values of N, (14) must be evaluated by computer. Arthurs and Dym1 have
obtained upper and lower bounds for error probability by geometrical arguments which
lead to

(17)

Figure 7 presents the theoretical and measured quadriphase bit error rate versus S/NoR.

Curves can also be found in Cahn2 that illustrate the tradeoff between signal power and
bandwidth for given error rates.

400 Mbits/sec Quadriphase System    In order to verify that a high data multiphase
modulation system could be synthesized, TRW undertook a task of building a 400
Mbits/sec quadriphase system. This system consists of a quadriphase modulator,
quadriphase demodulator, and matched filter data detectors. Additionally, a set of test
equipments which consists of a 31 bit pseudo-random (PRN) code generator, code
correlation detector, and bit error comparator, were built to measure system performance.
The design and performance of these equipments are discussed in the following sections.



Quadriphase Modulator    The quadriphase modulation is performed directly onto a
8.5 GHz carrier. Using the same configuration as shown in Figure 1, the quadriphase
modulator consists of two biphase modulators whose carriers are 90E out of phase.
Figure 8 presents the completed 8.5 GHz quadriphase modulator. The performance of the
modulator is tabulated in Table 1.

Table 1.  X-Band Quadriphase Modulator Performance

Center frequency 8.5 GHz
Insertion loss 9.6 db
Maximum RF input 23 dbm
Residual carrier -54 db

Quadriphase Demodulator    The quadriphase demodulator, as shown in Figure 6, is of
the data estimation I-Q loop variety and is operated at 8.5 GHz. The complete unit is
shown in Figure 9 and its performance characteristics are tabulated in Table 2.

Table 2.  X-Band Quadriphase Demodulator Performance

Center frequency 8.5 GHz
RF input frequency stability # 500 kHz peak-to-peak
RF input power 10 dbm
VCO stability # ±6 x 10-5

Loop characteristics
Type second order
Noise bandwidth, two-sided 600 kHz
Loop gain 108

Data output response lower 3 db # 500 kHz
upper 3 db # 6 00 MHz

Detection System    The detection portion of the system consists of a bit synchronizer
and a matched filter. The bit synchronizer generates a local clock by differentiating the
received PCM waveform, then frequency doubling the output and filtering with a phase-
locked loop.

As shown in Figure 10, the matched data-filter employs a transversal filter4. The filter
operates as a stair-step approximation to an integrate and dump circuit.

The output of the transversal filter is sampled at the end of each bit period through a
bilateral switch. The sampling pulse used to drive the switch is derived from the bit
synchronizer output. To reconstruct the data, the sampled output is used to drive a



decision-and-hold circuit. Figure 11 depicts the noise corrupted input to the data filter
and the resultant reconstructed output.

Bit Error Rate Measurement    The configuration for measuring the bit error rate is
shown in Figure 12. The setup utilized a 31 bit PRN code as a data source and a delay
line correlator for comparing only one selected bit per code cycle. As shown in
Figure 13, this goal is achieved by selecting one of 31 bits by setting the variable delay
corresponding to the time delay of the selected bit. The delayed output (inverted if
necessary for proper polarity) is applied along with the correlation output to the two-
input “AND” gate. Since code phasing is known precisely at the time of correlation, the
signal at the delayed output, i.e., binary “ 1” or binary “0” is also known. If the proper
polarity is used at the “AND” gate and no error occurs at the selected bit position, no
output will be seen. However, if a bit error occurs at this position in the code, the
amplifier output will go positive and trigger the AND gate since the correlation pulse is
simultaneously present. Figure 14 shows the bit error output voltage waveform in
relation to the correlation waveform when the error amplifier input connection is set to
generate zero error and 10076 error condition. The results of a typical test are shown in
Figure 7.

Conclusion    This paper has presented an analysis of communication systems utilizing
multiphase modulation and demodulation. Methods have been derived to generate and
coherently detect multiphase signals. The carrier references for the appropriate phase
detectors were deduced from considerations of the decision regions for optimal
detection.

A unified method was presented for synthesizing cohe-rent demodulators of the
multiplier/divider, multiplier loop, analog I-Q loop, and data estimation I-Q loop
varieties. This allows a straightforward extension of biphase systems to higher order
phase systems.

An X-band 400 Mbits/sec quadriphase system which was built by TRW Systems verifies
the analysis and synthesis procedure.
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Figure 1.  Generation of Quadriphase and Octaphase



Figure 2.  N-Phase Demodulator

Figure 3.  Multiplier Loop for the Generation of the
Phase References for N-Phase

Figure 4.  Generalized I-Q Loop for N-Phase



Figure 5.  Multiphase Data Estimation I-Q Loop

Figure 6.  Quadriphase Data Estimation I-Q Loop



Figure 7.  Quadriphase Error Rate

Figure 8.  8.5 Ghz Quadriphase Modulator



Figure 9.  X-Band Quadriphase Demodulator

Figure 10.  Matched Data Filter



Figure 11.  Matched Data Filter Waveforms

Figure 12.  Bit Error Rate Measurement Configuration

Figure 13.  Frame Sync and Bit Error Detector



(a) Frame Sync Output
0.5 v/cm vertically
20 nsec/cm horizontally

No. 31 Bit Error Output (100% errors)
0.2 v/cm vertically
20 nsec/cm horizontally

(b) Frame Sync Output
0.5 v/cm vertically
20 nsec/cm horizontally

No. 31 Bit Error Output (no errors)

0.2 v/cm vertically
20 nsec/cm horizontally

Figure 14.  Error Detection Waveform
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Summary    The Apollo Applications Program will consist of a series of extended
duration manned missions in low earth orbit. The initial missions are based upon
equipment and techniques proved in previous space flight programs. This is especially
true of the communications systems which rely heavily on the Gemini, Saturn, and
Apollo communications hardware operating with the Manned Space Flight Network.

Following AAP missions may include new spacecraft developments involving television,
teleprinters, satellite relays and spacecraft data management systems. These
developments are described briefly, but many of them are concepts in early development
stages, and it is difficult to specify the configurations that will be flown.

Mission Descriptions    The AAP missions begin with the orbiting of the Saturn I
Workshop coupled with the Airlock and the Multiple Docking Adapter by the Saturn IB
launch vehicle.

This spacecraft will be joined in orbit by a three man crew in a Command and Service
Module, who will set up the orbital Workshop and conduct experiments in space. The
initial crew can remain in orbit for as long as 28 days. When they depart for Earth in
their CSM, the Workshop will be stored in orbit until a second three man crew arrives to
reactivate it. A subsequent mission is planned for a third three man crew to revisit the
Workshop after an orbital storage period.

Following mission plans include visits by additional crews and the Apollo Telescope
Mount shown docked to the “Cluster” in Figure 1, as well as backup Saturn I Workshops
and Saturn V Workshops. These latter Workshops are equipped prior to launch rather
than in orbit, and presumably can afford communications systems requiring more weight,
paver, and development effort.

Communications Systems on the Initial Missions    The RF links to the “Cluster” are
shown in Figure 2. Although this appears to have a plethora of links, those to the Saturn



IB launch vehicle will shut down about seven hours after lift-off. The remainder have
been sized by the capabilities of the Manned Space Flight Network (MSFN) developed
for previous manned space flight programs.

On the initial launch, from the time the launch vehicle links shut down until the arrival of
the crew, all external communications will use the Airlock.

As shown in Figure 3, a 450 mc/s command link to the Airlock includes two redundant
digital command receiver/decoders, four relay modules, and two command relay driver
units.

This command system provides the MSFN with real time command capabilities to the
Workshop. It is used to control ON-OFF, SET-RESET functions by ground commands.
On-board stored programs can be commanded through this link and verified through the
telemetry system.

The on-board timers augment this command system by providing a means of switching
between the two command receivers in case one fails.

The Workshop telemetry system includes the transducers, signal conditioners, and
remote multiplexers to accept analog and digital data signals. The basic format for
transmission uses pulse code modulation (PCM). TWO PCM programmers (one
redundant) provide limited data multiplexing, analog-to-digital data conversion, and
digital multiplexing.

The outputs of the programmer are nonreturn-to-zero-level (NRZL) PCM at 51.2 kbps to
the real time transmitter, return-to-zero (RZ) PCM to the tape recorders.

The PCM Interface Box operates in conjunction with the PCM programmer and provides
the circuitry to accept additional high and law level multiplexers.

All real time data must be placed on one transmitter to conform with the MSFN
capabilities. Other modes include data (and voice, after the crew’s arrival) from the
Gemini tape recorders carried on the Airlock.

Each of these three recorders provides four hours of continuous recording on two
channels at 1 7/8 ips. One track is used for recording PCM data (5.12 kbps), and the
other for voice data. The recorders play back the data backwards at a 22:1 ratio, or a tape
speed of 411/4 ips. Thus the PCM data is dumped at a rate of 112.64 kbps.

The Telemetry Transmission System, in conjunction with the Airlock Antenna Systems,
provides RF transmission capability to the MSFN during prelaunch, launch, and orbit for



real time and delayed time data and delayed time voice, in both stabilized and
unstabilized. vehicle attitude. The transmission system includes three (3) telemetry
transmitters connected in a redundant configuration which allows each transmitter to be
backup for the other. Two of these transmitters are 2 watt Gemini transmitters operating
on frequencies of 230.4 and 246.3 mc/s. The third is a 10 watt transmitter operating at
253.83 mc/s.

As indicated in Figure 3, these transmitters feed into a quadriplexer. RF switches
between the quadriplexers and the antennas permit antenna selection either manually or
by ground command.

The antennas consist of omni discone antennas mounted on two 40' long booms which
are extended in orbit, and used both to transmit and receive. In addition to these boom-
mounted discones, two Gemini whips mounted on the aft SIA panels are used for
telemetry transmission and command reception during pad checkout and launch. After
the booms are extended in orbit, one of these whips is still used to receive commands.

Following the orbiting of the Workshop and the verification via telemetry of the
passivation procedures necessary to make the empty fuel tank in the SIVB habitable, a
second launch will orbit the crew in a CSM.

The CSM Instrumentation and Communication System consists of a PCM package,
premodulation processor, data storage equipment, and a VHF and S-Band
communication system. Since the Unified S-Band System is described in another paper
in this session the CSM communications will be mentioned only as they affect the AAP
missions.

The VHF transceivers (259.7 and 296.8 mc/s) on the CSM are planned for voice
communication with the MSFN as a back-up to the S-Band link. They can also be used
as a back-up to the hard wire umbilical communications with an extra-vehicular
astronaut.

The use of a VHF link employing range tones between the CSM and the Airlock for use
during the rendezvous is under consideration. Such a system is being developed on the
Apollo Program as a back-up support to the X-Band rendezvous radar. If this RF ranging
system is adopted, an additional VHF transceiver will be needed on the Airlock.

The docking of the CSM to the MDA comprises the “Cluster” configuration. A hard wire
audio circuit will couple all crew quarters on the Cluster to permit internal voice
communications as well as a Caution and Warning system. It consists of a distribution
network and parallel lines running to intercom panels in all crew quarters in the Cluster. 



This network can be used for voice communication, caution and warning signals, and
biomedical telemetry. The crew can turn off all signals except the alarm tones.

When a Caution and Warning system sensor detects a fault, its signal is processed
through the logic circuitry to the alert tone generator, the master signal light, the
applicable light on the C&W panel, and to close relays to send discrete signals across
interfaces to-the C&W panels in adjoining spacecraft. The alert tones bypass all sleep
switches and volume controls to the intercom and headsets.

A push-to-talk switch allows any crew member to talk to the control center via the RF
links to the MSFN.

The voice communications between the Cluster and the MSFN and the CSM real time
telemetry will normally use the USB FM transponder. On the “down” link, the voice and
telemetry signals will modulate sub-carrier oscillators, which in turn modulate the
2287.5 mc/s carrier. The telemetry format is PCM, at a bit rate of 51.2 kbps. The 2272.5
mc/s ( FM) transmitter will be used to dump the data stored on the CSM 14-track type
recorder. Commands, as well as voice up to the CSM use the 2106.4 mc/s “up” link.
Additionally, this link can be used for metric tracking in range and range rate.

This crew can remain in orbit for as long as 28 days before returning in their CSM.

Fb1lowing their departure, the orbital Workshop will be placed in a storage mode. In this
mode, the Workshop sub-systems will use as little power as necessary. The Airlock
command links will remain on, and the telemetry information will be restricted to critical
parameters. If the telemetry indicates the Workshop is still serviceable, plans call for a
second crew to be launched in a CSM to rendezvous with the Workshop in orbit. This
crew will be equipped to remain in orbit for as long as 56 days. This extended duration
can allow them to conduct more extensive experiments in space than possible for the first
crew, who must set up the Workshop equipment in the empty fuel tank of the SIVB
stage. Although the activities of this second manned mission differ from the initial one,
the communications sub-systems do not, and are similar to those described previously.
Following the completion of this second manned mission in the Workshop, the crew will
return in their CSM, and the Workshop will be placed into its orbital storage mode again.

Two additional launches using AAP Saturn IB launch vehicles are planned to orbit a
third crew in a CSM and an unmanned spacecraft consisting of the Lunar Module Ascent
Stage (IM A/S),coupled with the Apollo Telescope Mount (ATM).

The CSM will be similar to that on the preceding AAP mission. The Lunar Module
Ascent Stage is derived from the Apollo Program, but altered by removal of the
propulsion system and various other sub-systems modifications. The IM communications



sub-system is not appreciably changed from that of the Apollo IM. The primary
communications (and tracking) use a USB transponder receiving at 2101.8 mc/s and
responding at a coherent fractional multiple of 240/221, nominally 2282.7 mc/s without
the Doppler shifts. In addition, the VHF AM links normally used for voice are retained.

The ATM is attached to the IM Ascent Stage in place of the LM Descent Stage on the
Apollo IM. The ATM consists of various solar observatory experiments.

Some modifications to the IM VHF links are under consideration to facilitate the
rendezvous between the unmanned IM/ATM and the manned CSM. The range tones
mentioned previously on the VHF link between the CSM and Airlock may be
incorporated. Further, a manned S/C command link CSM to the IM A/S may be adopted
to permit the CSM crew to control the LM/ATM reaction control system during
rendezvous and docking.

After these spacecraft dock together, the IM A/S USB transponder will be turned off and
the ATM communications links will take over.

The ATM is provided with a digital command sub-system consisting of a UHF command
receiver and decoder similar to that used on the Saturn I launch vehicle. This enables
either the control center (through the MSFN) or the IM crew (via hard wire) to control
the experiments, experiment pointing, and ATM sub-systems. The ATM telemetry
consist of equipment for analog and digital multiplexing, encoding, formating, storage
and playback, and VHF transmission.

The tape recorders can record data at the rate of 4 kbps for 90 minutes. Upon command,
either by the MSFN or the crew, the recorders play back the stored data 18 times faster
than it was recorded (72 kbps for 5 minutes). The primary recorder is backed up by a
redundant unit.

Two VHF transmitters (231.9 and 235.0 mc/s) provide both real time transmission and
playback of recorded data.

Antennas to receive the UHF commands or transmit the VHF telemetry are mounted on
the extremities of two of the ATM solar array wings shown in Figure 1.

Closed circuit TV provides the IM crew with experiment displays. Six cameras in the
ATM monitor the solar experiments, and switches permit the crew to view the sun as
seen by the experiments on either of two monitors.

The IM/ATM communications system is shown in the block diagram in Figure 3.



The rendezvous and docking phases of the IM/ATM may use alternate r-f links than
those mentioned previously. These include the IM X-Band rendezvous radar in place of
the VHF ranging system, and VHF or UHF command links to enable manned S/C to
control IM/ATM reaction control systems.

This mission is primarily devoted to solar astronomy. Although the data from the solar
experiments is on filra which will be returned with the crew, the ATM telemetry is used
extensively for diagnostic data from these experiments and other sub-systems.

The RF traffic is greatest when all of these spacecraft are docked together. At this time,
all the real time data will be sent on the CSM PM USB transmitter the ATM VHF
transmitter, and the Airlock VHF transmitter. These data will be demodulated on the
PCM decoms at the MSFN stations, and sent back to the Mission Control Center (MCC)
as soon as the land lines (NASCOM) and Intelsat communication satellite facilities
permit. Other signals from the Cluster including the CSM FM USB transmitter, and the
additional VHF transmitters on the ATM and Airlock, will be received and recorded at
the MSFN stations. When time permits, these recordings will be decommutated and sent
back to the MCC. During periods of peak activity in the ATM, the Workshop activities
should be relatively quiet.

This concludes the description of the communication ssrstems planned on the initial five
AAP launches. These systems lean heavily on those developed on the Gemini, Apollo,
and Saturn I and IB launch vehicle programs.

Various sub-systems under design or development are being considered for
incorporation into the AAP if payload capacity and resources permit.

Included among these are a television system to permit high quality TV to be transmitted
from the Cluster to the MSFN.

Such a television system has been under consideration throughout the program. The
options which have been considered have ranged from:

S The use of the Apollo S/C TV cameras to transmit only when in view of a
ground station, to

S The development of new TV cameras with remote control features, on-board
video monitors and recorders, bandwidth compression schemes, use of satellite
relays, and attendant augmentation of network facilities.

The problem has been to provide picture characteristics acceptable for experiments,
operations, and public relations that could be afforded in terms of costs, weights, and



schedules. The scheme currently under consideration involves a system similar to that
used on the Saturn IB #203 flight, which sent commercial quality TV pictures of the
liquid hydrogen in the SIVB fuel tank in space to selected MSFN stations. Modifications
to this camera to make it portable can permit commercial format TV to be transmitted on
a frequency modulated 2255 mc/s carrier from a 20 watt transmitter in the Cluster.

The video signals in the closed circuit on-board TV between the ATM and the IM A/S
can also modulate this transmitter to permit the experimenters to view the same solar
picture seen by the crew.

Transmission when in view of four selected MSFN stations could permit these television
pictures from the Cluster to be seen on the Earth about 10% of the time. Later, if a
suitable spacecraft video recorder is available, the station visibility constraint could be
removed.

A second sub-system under consideration is a teleprinter in the Cluster. Previous manned
space flight operations have included long series of verbal instructions from the MCC
being read over the “up” voice link to the crew who would copy them in longhand.
However, in many cases the crews have been pressed for time to complete their mission
assignments, and it would be useful to provide them with hard copies of these
instructions automatically.

Development work has been underway for a suitable spacecraft teleprinter which could
make use of existing command links. Although the AAP is considering some promising
teleprinters, no decision has been reached on a teleprinter at this time.

A third kind of communications development which has received much attention is the
use of satellites in geostationary orbits to relay signals between the law altitude orbiting
spacecraft and the MSFN. The advantages of such relays is obvious from coverage
considerations. Although the MSFN is an extensive world-wide network, the AAP
spacecraft will be in view only about one quarter of the time. Two or three properly
spaced geostationary satellites could provide continuous contact capability of these AAP
spacecraft.

The geometry of the satellite relays are obvious, the means of incorporating a satellite
relay into the network are less clear. Again, a variety of proposals have been put forth.
One of the simplest is to use the VHF repeaters on the ATS 1 and 3 satellites to
communicate between AAP spacecraft and the MCC (via the ATS ground stations and
NASCOM). These VHF repeaters have been used successfully to relay communications
between aircraft and between aircraft and ground stations. A voice si al frequency
modulated (with a modulation index of 3) on a 149.22 mc/s carrier with an effective
radiated power of at least 200 watts has proven adequate.



The satellite repeater receives this incoming signal, on its electronically despun beam
(Gain . 9 db), and retransmits a transmitter power as high as 40 watts on a carrier
frequency of 135.6 mc/s.

If a suitable transceiver were incorporated on an AAP S/C, then, possibly, the ATS 1 and
3 could be used as an operational test of voice communications via geostationary
satellites.

More ambitious plans include the use of the proposed ATS F and G satellites as relays
between AAF S/C and the MCC. These satellite designs have large (30' dia.) high gain
antennas and wideband frequency translation repeaters. If an AAP spacecraft could
radiate a 2,247 mc/s carrier with an ERP of 50 dbw towards the ATS - F, then quality TV
signals could be sent to the MCC. Signals frcm the ATS - F to the AAP S/C would use a
carrier frequency of 1,800 mc/s.

The use of these ATS satellite relays is currently in the definition phase.

More ambitious geostationary communications relays to replace communications and
tracking networks for both manned and unmanned satellites have been considered in
conceptual definition studies. Such studies consider the design of an operational Data
Relay Satellite System to replace the current Earth based networks and attendant point-
to-point communications lines.

A final class of development includes data management systems for spacecraft. Such
systems are proposed to analyze, edit, and reduce the data on-board the spacecraft in
order to curb the growing volume of telemetry. Additionally, these systems are suggested
to automate checkouts, conduct experiments and operate spacecraft subsystems.

Because of the long lead time required for development of these automated data systems,
they have been proposed for later versions of AAP SIC, specifically, the Saturn V
Workshop.

Again, several schools of thought guide these proposers.

One school suggests that future data systems should be almost completely automatic,
supported by extensive ground attention and facilities, and make minimal use of the crew
so that they are freed from the so-called mundane activities.

Another school counters that this approach is unduly complex (and expensive), and
largely negates the requirement for a flight crew. This school advocates the simplest
possible (manually control-led) on-board system which can do the job, and add to it as
necessary.



The incorporation of proven communications systems on the initial AAP S/C, and the
differing proposals on adding TV, teleprinters, satellite relays, and automated data
systems, demonstrate that we are faced with the merger of the rapidly expanding
technologies of communications and space flight. Attempting to find workable and
attainable solutions presents interesting challenges in the Apollo Applications Program.

Abbreviation Term

AAP Apollo Applications Programs
AM amplitude modulation
ATM Apollo Telescope Mount
ATS Applications Technology Satellite
CSM Command and Service Module
C&W Caution and Warning
DDAS Digital Data Acquisition System
ERP effective radiated power
FM frequency modulation
ips inches per second
kbps kilo bits per second
LM Lunar Module
IM A/S Lunar Module Ascent Stage
MCC Mission Control Center
MDA Multiple Docking Adapter
MSFN Manned Space Flight Network
NASCOM NASA terrestrial communications
NRZL non return to zero level
PCM pulse code modulation
PM phase modulation
RF radio frequency
R/T real time
RZ return to zero
S/C spacecraft
SLA Spacecraft IM Adapter
T/R Tape recorders
UHF ultra high frequency
TTSB Unified S-Band
USBE Unified S-Band Equipment
VHF very high frequency

 







1 This paper presents the results of one phase of research carried out at the Jet Propulsion
Laboratory under Contract No. NAS 7-100, sponsored by the National Aeronautics and Space
Administration.
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Summary    This presentation deals with a multi-mission deep-space telemetry system,
its rationale, analysis, development into hardware, and its subsequent planned
application to an actual spacecraft mission whose preparation is now in progress.

The spacecraft system encodes raw binary data into a comma-free, bi-orthogonal code
which antipodally modulates a square-wave subcarrier, which in turn phase-modulates
the downlink carrier. There is no separate signal for subcarrier, word, or symbol sync; all
transmitted sideband power is thus available for data transmission.

I.  INTRODUCTION    The JPL high-rate telemetry (HRT) system was developed as an
advanced engineering project having three main objectives: (1) to meet the requirements
of the Mariner Mars 1969 project by designing, building, verifying, integrating, and
operating equipment in order to receive data from the Mariner spacecraft at a rate of
16,200 bit/s, (2) to develop a prototype high-rate ground telemetry equipment for the
Deep Space Net having multiple-mission capability, and (3) to advance the technology of
deep space communications. The first objective includes flight/ground-system
verification testing both on the spacecraft compatibility-test level and at the launch site.
The second objective includes the establishment of ranges for the various parameters that
may be encountered in future missions, e.g., data rates and subcarrier frequencies, and
the design of equipment to handle these ranges. The third objective includes working out
all the techniques for system analysis and verification testing required to support the first
two objectives.

The first part of the objective meant a 33 dB increase in capability over previous deep-
space systems; most of this increase was met with the more straightforward state-of-the-



art advances in antenna size, system temperature, and transmitter power. The remaining
few dB were achieved by improved signal-handling techniques.

Briefly, the spacecraft part of the system encodes raw binary data into a comma-free, bi-
orthogonal code which then antipodally modulates a square-wave subcarrier, which in
turn phase-modulates the downlink carrier. There is no separate signal for subcarrier,
word, or symbol sync; all transmitted sideband power is thus available for data
transmission.

One major achievement of the project, and one ancillary to the telemetry function it was
to provide, was its ability to design and build a system and to verify its performance
within a very few tenths of a dB of the theoretical model. The further outgrowth of this
achievement is that hopefully, in the future, a design engineer need not be concerned so
much with assigning experimental losses to components, but instead, with considerations
of theoretic component efficiency.

A.  Requirements and History    One major objective of the Mariner ’69, two-spacecraft
mission is to obtain television pictures of Mars. These were to be stored onboard at high
speed on an analog tape recorder, played back at a lower speed through an analog-to-
digital converter, and re-recorded on a digital tape recorder. A playback of the digitized
tape at a still lower speed will then produce a data stream at a rate which can be
transmitted to earth over a more conventional telemetry channel (270 bits/sec). It was
recognized that the use of two tape recorders in tandem reflected a potentially unreliable
situation, and a question was raised as to the feasibility of a special channel to transmit
the data at the playback rate of the analog tape recorder to avoid one of the tape
recorders, at least. Specifically, at 16,200 bits/s, the analog tape recorder in the
spacecraft could play back all of the recorded data in slightly less than 3 hours.

A study showed that such a high-rate channel could be implemented using the Goldstone
210-ft-diameter antenna if certain operational constraints were accepted. As part of the
system feasibility study, it was necessary to look into a number of factors. Starting with
the design control table that had already been developed for the Mariner ’69
telecommunications system, it was determined which factors could be changed to
increase the capability by the requisite amount.

B.  Communications Parameters:    The results are summarized in Table I, a simplified
version of the design control table for the 16,200-bit/s channel, with the 8 1/3-bit/s
channel from Mariner IV included to extend the comparison. The quantities in Table I
are related by the standard communication equation

S = PTM GTLSGRLR



in which PT is the power produced by the transmitter; M is the modulation loss, i.e. the
factor which relates the power in the sidebands to the total power; GT is the transmitting
antenna gain over an isotropic one, and includes both circuit and pointing losses as well
as antenna gain; LS is the space loss, 82/(4B)2r2 in which 8 is the wavelength and r is the
range; GR is the receiving antenna gain; LR is the receiver loss; and S is the received
sideband power.

The received sideband power multiplied by the duration of a bit TB gives the received
signal energy per bit; the receiver system effective noise temperature multiplied by
Boltzmann’s constant gives the receiver noise spectral density; together these specify the
appropriate figure of merit for a digital communication system, STB/NO. Dividing the
achieved figure of merit by that required for a specified performance gives the margin.
The column labeled ) shows the change from one system to the next, considered positive
if it favors the second system.

The increase in capability from 8 1/3 bits/s on the Mariner IV to 16,200 bits/s for the
high-rate channel on the Mariner ’69 is due to many factors:  First, the transmitter power
has been approximately doubled since the Mariner IV. This factor, of course, results in a
doubling of the capability. Next, the modulation index was changed to increase the
sideband power from -5.3 to -1.80 dB relative to the total power, a feat made possible for
two reasons:  First, the Mariner ’69 telemetry system does not use a separate
synchronizing channel; thus, the power which was so devoted in the earlier system is
available for data transmission. The second reason has to do with the amount of carrier
power required to produce synchronous demodulation: the high data-rate-to-carrier-loop-
bandwidth ratio makes it feasible to assign much less relative power to the carrier
component of the down link signal.

The design control table does not show a significant change in the spacecraft antenna
gain even though a larger antenna is used for the ’69 mission; the potentially increased
gain was traded for some other considerations, such as using a single pointing angle for
the antennas on both spacecraft, even though they arrive at Mars on different days. The
range at encounter will be about half what it was for Mariner IV. This increases the
communications capability by 6.84 dB; it is not a change in the communications
technology per se.

The 8.5 dB increase in ground antenna gain is slightly more than a mere area increase
because of improved tolerances. In the detailed design control table each parameter is
assigned a nominal value, along with A favorable and an unfavorable tolerance. The
system design is constrained to provide adequate performance with all of the parameters
having their full unfavorable tolerances. This is the usual and accepted philosophy in all
engineering work: design proceeds with all elements derated by an appropriate factor.



Because there is only one 210' antenna, closely and continually maintained, it has a
lower unfavorable tolerance than the worst-of-a-network value that must be used in
dealing with a set of antennas located around the world.

There are other reasons why the tolerance in this particular case is less. When an antenna
is moved from pointing at the zenith to pointing at the horizon, there is sag due to
gravity, and the gain changes. But in the case of the high-rate channel, the total time
required to play back the data from the analog recorder in the spacecraft is less than 3 h,
and can be selected to take place when the 210' antenna angle is above 25 deg.

The effect of these several factors gives the 210' antenna the higher usable gain alluded
to above. The cost of this gain is a set of restrictions on its operation. But since the
playback time is short and selectable, the restrictions are deemed acceptable.

The system temperature is also significantly improved, due to two factors: First, because
the 210' antenna will not be required to transmit during the short time it is receiving the
high-rate data, a listen-only feed system of advanced design can be used. And second,
since the minimum elevation angle is 25 deg, the antenna need.not look obliquely
through the atmosphere.

The table entry labeled “receiver loss” includes many factors; one is the degraded
synchronous demodulation effected by carrier-loop jitter, i.e., by detection-reference
noise. For example, the Mariner IV was constrained to a relatively low signal-to-noise
ratio in the carrier-tracking loop, and even though the power allocation was optimized,
the effect was equivalent to a loss of more than 2 dB. In the Mariner ’69 high-rate
channel, however, even though the power allocation is reoptimized with proportionately
less power in the carrier, the carrier has more absolute power, and the effect of data
degradation caused by noise in the carrier loop is only about 0.1 dB in equivalent signal
power. A second factor is the signal-to-noise ratio in the bandwidth of the subcarrier
tracking loop. Again, in the case of the Mariner IV, this loop was constrained to have a
rather poor signal-to-noise ratio. In addition, although a squarewave subcarrier was used,
the demodulation process was able to recover only the power carried in the fundamental.
The total equivalent loss was more than 1 dB. In the Mariner ’69 system, a different
method of tracking the subcarrier is used utilizing the entire sideband power, with its
inherently higher signal-to-noise ratio. Further, the demodulation technique recovers all
harmonic power in the data, up through the fifth overtone. The combined result is a much
smaller equivalent signal loss. Finally, there are small losses associated with symbol
tracking, data detection, and circuitry imperfections. In summary, the higher ratio of data
rate to carrier-loop bandwidth permits a reduction in effective loss due to a noisy carrier
reference, and improved methods of subcarrier and symbol tracking and of data detection
permit the recovery of a greater portion of the sideband power.



The final factor to be considered is the STB/NO required to transmit data with an error
rate not exceeding 5 X 10-3. If bit-by-bit detection were used as in previous Mariners-,
the required STB/NO would be 5.20 dB after all losses (or equivalent losses) are
considered. However, if the data is encoded 6 bits at a time into a biorthogonal code, the
required STB/NO is reduced to only 3.0 dB for a word-error rate of 10-2 (equivalent to a
bit-error rate of 5 X 10-3). Thus, with all other factors equal, block coding reduces the
required signal level by 2.2 dB.

The margin shown in the table represents performance at encounter, and must be
sufficiently large to maintain a positive margin over the entire playback period. But since
the high-rate channel recovers the data in less than 3 hours, only a small margin is
needed even if it is necessary to play the data back on several successive days.

The numbers in Table I have been subjected to continuous refinement; hence the values
given, although typical, must be considered as only illustrative of the type of
performance which can be expected. The total situation is somewhat more complex than
that indicated because there is also a low data-rate channel, on a separate subcarrier,
present whenever the high-rate channel is being used. The presence of this second
channel reduces the performance margin slightly. Although its effect is only incidentally
referred to here, the detail design, of course, does consider it. The conclusions which
have been drawn, however, remain unchanged.

II.  SYSTEM FUNCTIONAL DESIGN    The HRT system embodies various
techniques and theories which have been developed over many years at JPL, and was
instituted as a direct result of the considerations noted above. It is a modification of the
basic digital telemetry system that was used on both Mariners IV and V. It differs,
however, in that the data is block coded, there is no sync channel, and the detection
process is more efficient.

A.  Functional Design    A diagram showing the functional organization of the system is
shown in Fig. 1. Data is block-encoded 6 bits at a time into words of 32 binary symbols,
which then biphase-modulate a squarewave subcarrier. The modulated subcarrier, in
turn, phase-modulates the downlink carrier for transmission. On the ground, the DSIF
receiver tracks the carrier and provides a reference for synchronously demodulating the
carrier. The subcarrier loop tracks the subcarrier and provides a reference for
synchronously demodulating the subcarrier. The symbol loop tracks the symbol
transitions and provides timing to the cross-correlation detector. The output of the
detector is the recovered bit stream, which is then recorded for the data user. In the actual
hardware, the functions are slightly rearranged, and in some cases combined to simplify
the equipment, but the functions performed are the same.



B.  Signal Structure and its Rationale    The first restriction on the waveform is one
placed on the system not by the telemetry function, but by a flight project requirement
for coherent 2-way doppler extraction. So as not to degrade data quality and so as not to
hamper carrier acquisition, information is modulated unto subcarriers to move them well
outside the receiver tracking bandwidth. The choice of biphase modulation of
squarewave subcarriers is due to the fact that there is potentially very little loss in the
modulation sidebands either as unrecoverable harmonics or as cross-modulation
products. The unrecovered power (i.e. power not recoverable by simple matched
filtering) is Ploss = P1P2 /Pcarr where P1 and P2 are the respective powers given to each of
the squarewave subchannels. The ratio Ploss /Ptotal is relatively minor when one of the
channels is given a low modulation index. As a further advantage of binary modulation,
the spectral density does not change in form as a function of modulation index.

In the Mariner ’69 as the case in point, there are three separate channels, but no more
than two are ever actuated at any one time. During the cruise phase of the mission, only
engineering data is transmitted, ata rate selectable as either 33 1/3 or 8 1/3 bits/sec. Then
at such time as science data is to be sent, e.g. at encounter, or as a subsequent playback,
the normal science channel can be activated, at a data rate selectable as either 66 2/3 or
270 bits/sec. There is an alternate science-data transmission mode at the much higher
rate of 16,200 bits/sec and it is, of course, this mode that is of concern here. The large
ratio between the engineering and science data rates means that relatively little power
need be allocated to the engineering data to achieve comparable bit error rates in the two
channels.

In addition, the removal of the necessity for a separate bit/word-sync channel by the
subcarrier demodulation technique used not only allows greater power to be allocated to
the data, but also obviates the losses a third channel would engender.

Bandwidth allocation for the Mariner spacecraft communication is approximately 3Mhz
about the carrier, or about 1.5 Mhz at the modulator input terminals. A design goal of
0.1 dB degradation due to spectral filtering was sought; calculations showed that this
could be achieved only if energy up to at least the fifth harmonic were retained in the
transmitted signal. However, sending 16,200 bits/sec biorthogonally encoded over a
channel with such a bandwidth constraint constrains both the degree of encoding (i.e. the
average number of symbols/bit) and the subcarrier frequency to relatively low figures. A
(32,6) code with 3 subcarrier cycles/symbol would fit in the band; the (64,7) with 2
subcarrier cycles/symbol would fit marginally. The latter of these might theoretically
result in about a 0.23 dB SNR advantage over the former, but it would require a
crosscorrelator with twice as much complexity. Hence the (32,6) biorthogonal Reed-
Muller code was chosen as one near the point of diminishing returns which would
demonstrate the advantages of block coding, and at the same time, would not be too
costly to implement. In considerations of the logic speed required to combine data and



subcarrier, it was necessary to make the subcarrier waveform coherent with the symbol
transitions.

III.  PERFORMANCE CALCULATIONS    As a general rule, early in the
development of a high performance system the designer calculates its expected
performance based on a set of assumed and desired parameters, from which
specifications are then derived to guide the various specialists in developing the several
pieces of hardware and software which comprise the overall system. Since these
specialists may have an imperfect understanding of the total system and since the system
designer himself may not be fully versed in the technology of each part, there can be a
potential problem in translating the system parameters into subsystem specifications. The
problem can be greatly alleviated, however, if the performance calculations are based on
system parameters which are directly interpretable as subsystem specifications.

A.  Parameters for the Spacecraft Subsystem    If all the parts of the transmitter
(shown as part of the spacecraft system in Fig. 1) functioned perfectly, the transmitter
would have no deleterious effect on system performance. This is in contradistinction to
the receiver which, even when functioning perfectly, degrades performance because of
thermal noise. However, because of spacecraft weight and power limitations, there is a
need to allow some imperfection in the transmitter and to relate that imperfection to
system performance. Another factor which must be considered in specifying the
transmitter is its natural interface at the input to the phase modulator. The equipment to
this point is essentially digital while that following is essentially analog (i.e. RF). The
two parts are likely to be assigned to different development teams; in the Mariner 69
system, for example, they went to two different contractors. With all things considered, it
is thus almost mandatory to specify the transmitter characteristics in terms of a set of
quantities reflecting the various design aspects of that subsystem, such as (1) modulation
waveform, (2) modulation index, and (3) RF spectrum.

The modulation waveform specification, as a case in point, should allow for a certain
degree of imperfection, as illustrated in Figure 3, which shows one subcarrier cycle at the
input to the phase modulator. Figure 3 also shows an ideal waveform which has the same
period as the actual waveform and the same amplitude as the flatest portion of the actual
waveform. The crosscorrelation of the actual and ideal waveforms gives the amplitude of
the equivalent recoverable ideal waveform. The power in the ideal waveform is P1 = A2,
whereas, that in the recoverable portion of the actual waveform it PA = (DA)2, where D is
the normalized crosscorrelation. The fractional loss in power then is 1 - D2, and the
power efficiency is D2.

The required efficiency is set by the system designer and used as a design specification
by the equipment designer. Note that efficiency is a common language for them and is



more suitable than such things as rise time, overshoot, and asymetry, because it gives the
equipment designer the option of taking the permitted loss in the most advantageous
way, rather than in some arbitrarily imposed way.

The modulation index, the second item above, can be specified by the system designer in
terms of carrier suppression, i.e., if a perfect squarewave of a certain amplitude is applied
to the modulator input, the unmodulated component at the output of the transmitter shall
be reduced by a certain proportion. Specifications on equipment are useful only if the
equipment can be tested to verify those specifications. This is the primary reason why the
modulation index is specified in terms of carrier suppression, rather than modulation
angle, a quantity more convenient for the system designer. Commonly available RF-
measurement techniques permit suppression ratios to be determined with great precision.
Furthermore, it is possible, by using laboratory test equipment, to generate test
squarewaves with very precisely controlled waveforms and amplitudes, so that the
modulation index from the modulation input to the power amplifier output can be
measured very accurately. A similar comment can be made concerning the measurement
of the output amplitude of the digital equipment in comparison with a waveform
produced by laboratory equipment.

The RF spectrum at the power amplifier output can be specified in terms of the ideal
spectrum which would normally be produced by a perfect squarewave at the subcarrier
frequency. It is easy to compute the relative power in the several sidebands and to
measure that power when a test squarewave modulates the transmitter. Any deviation of
the power in any sideband from the desired power can be interpreted as a loss, and the
sum of these losses is the quantity specified. The overall efficiency of the transmitter is
given by the product of the efficiencies of the modulating waveform, the modulation
index, and the RF spectrum.

B.  Analysis of the Receiver    As shown in the system block diagram, there are three
loops, each followed by a demodulation or detection process. In each case, the process is
performed imperfectly for two reasons: noise causes the output of the loop to jitter in
phase or time, and imperfections in the equipment or softwave cause the waveforms into
the process to be distorted or displaced or the process to be imperfectly carried out.
Unlike the transmitter efficiency, which is expressible in terms of available power
relative to potentially available power, the receiver efficiency is properly expressed in
terms of available signal-to-noise ratio relative to potentially available signal-to-noise
ratio. The effect of each of the loops and its associated process can be expressed as
(STB/NO)out = 0 * (STB/NO)in where 0 is the theoretical efficiency due to the effect of the
signal-to-noise ratio in the loop, and * is the efficiency due to the imperfections. Since
the former efficiencies themselves are functions of the signal-to-noise ratios, the values
to be used in the design specification are those which apply at the minimum signal-to-



noise ratio for which the receiver is supposed to deliver the specified performance (i.e.,
bit-error rate). This is the minimum operating condition (MOC) of the device.

The theoretical efficiency for the subcarrier demodulator for a given bit-error rate is a
function of the information rate because the required signal-to-noise-spectral-density
ratio varies as a function of the information rate. Both the theoretical efficiency and the
combined efficiency are specified to the equipment designer together with the loop
bandwidths to be used. The efficiency curves then are a common language for the
equipment designer and the system designer.

The symbol loop is slightly less straightforward because it is more meaningful to
separate the efficiency of symbol tracking from that of the detection process. The
appropriate efficiency for the symbol-tracking loop is the ratio of signal-to-noise ratio
required for a given error rate when the detector is provided with perfect timing, to that
required when the symbol loop provides the timing. Since the tracking filter is
implemented in a computer, any bandwidth can conceptually be selected to average over
a specified number of bits.

The carrier loop has the same sort of efficiencies but the situation is complicated by the
fact that the loop bandwidth cannot be selected arbitrarily and by the additional fact that
the loop noise is determined by the carrier signal-to-noise ratio rather than the sideband
signal-to-noise ratio. A detailed description of the optimization process by which power
is allocated between the carrier and sidebands for best communication performance is
outside the scope of this paper. However, once the power allocation has been made and
one of the permissible bandwidths (i.e., one already existing in the tracking station
receiving system) has been selected, there are appropriate 0 and * for the carrier-tracking
loop. It does vary somewhat with bit rate, but at rates greater than a few thousand
bits/sec and at the narrowest available loop bandwidth (12 Hz), the efficiencies are high
and essentially independent of the bit rate.

Finally, there are considerations of the detector itself. Of course, it is not quite perfect,
even being a digital device, so there is a * associated with it for a given probability of
error, i.e., (STB/NO)theoretical = *d (STB/NO)actual. There is a theoretical, absolute standard for
comparison that represents the best possible performance, independent of bit-error rate,
namely the Shannon limit. With this choice, the theoretical efficiency 0d can be defined
for a particular design-error-rate. In this way, the theoretical efficiency is a measure of
the quality of the signalling/detection process and the *-efficiency is a measure of how
well the process is carried out.

C.  System Efficiency    The performance of the system can now be computed or
specified in several different ways. In terms of subscripts C, SC, SY, and d, which refer



to the carrier loop, the subcarrier loop, the symbol-tracking loop, and the detector,
respectively, the overall efficiency of the receiver, relative to the best that could be done
is

Overall Receiver Efficiency = 0C *C 0SC *SC 0SY *SY 0d *d.

Similarly, the receiver efficiency relative to the best that can ever be done using the same
signalling/detection scheme is

Relative Receiver Efficiency = 0C *C 0SC *SC 0SY *SY *d.

Either of these efficiencies can be multiplied by the spacecraft efficiency to obtain a total
system efficiency, in the first case absolute, in the second case, relative: The absolute
efficiency is useful in comparing the performance of a particular system with other
systems at the same error rate. The relative efficiency is useful in assigning
specifications to the various parts of a system under development and in verifying the
performance of the completed system.

IV.  SYSTEM DESCRIPTION    At this point, the rationale and many of the
parameters in the design have been established; it remains now to discuss some of the
designs and to go into the equipment descriptions in a little more detail.

A.  Flight Equipment    The spacecraft portion of the high-rate channel is essentially the
same as that depicted in Figure 1. There are two possible sources of data to the encoder.
The real-time encounter data source represents some of the data taken as the spacecraft
passes near the planet; it is comprised of portions of TV photographs taken of the planet,
infrared radiometer data, and infrared and ultraviolet spectrometer data. The second
source is all of the encounter data stored on magnetic tape for playback after encounter.

The values chosen for the Mariner ’69 design power allocations are 17%, 80%, 0.8% for
the carrier, science and engineering channels, respectively in accordance with the data-
rate and tracking requirements previously mentioned. A lower value of carrier power
would have been permissible, but the stability of the modulator is such that a small drift
might suppress the carrier entirely, because of extreme sensitivity at high suppressions.
The large requirement of the science channel relative to the other channels is due to its
large data rate. Even with their respectively lower power allocations, the carrier and
engineering power requirements are more than satisfied. Only 2.2% of the power is lost
in the cross-modulation product of the two subcarriers.

Particular care was given to the preservation of waveforms through the spacecraft
telemetry channel. This was especially necessary because its bandwidth occupancy was
much greater than ever necessary in previous Mariner designs.



The heart of the spacecraft high-rate system is the block coder. A 32-symbol block-
coded word Si is generated from a 6-bit data word Di in accordance with the matrix
operation Si = GMDi. The matrices G and M are given in Figure 2.

The code words then are made comma-free by modulo 2 addition of a PN vector, in order
that word sync may be derived on the ground. Comma-freedom in a code means that any
32-symbol string composed of the last 32-N symbols of one code word in juxtaposition
with the first N of the next code word (i.e., an overlap of N symbols) is forbidden as a
member of the code dictionary. The minimum number of disagreements for all N
overlaps of all pairs of words is called the index of comma freedom for that code.

B.  The Ground Telemetry System    The equipment which performs the functions
previously described is divided into three major assemblies (Fig. 3). One is the
Subcarrier Demodulator Assembly (SDA) which contains the subcarrier loop and the
data channel down through a convenient point for analog-to-digital conversion; the
assembly is primarily analog equipment. The second assembly is digital equipment
constructed as peripheral equipment for the third assembly, the computer. The computer
acts as the overall control device for both symbol tracking, data detection, and output
recording.

1.  Subcarrier Demodulator    The first step in the process is the synchronous
demodulation of the subcarrier. To facilitate the design of the equipment (Figure 4) it is
convenient to do this before demodulating the carrier. After amplifying and filtering it in
the 10-MHz IF amplifier, the data waveform is then recovered by synchronously
demodulating the carrier.

The data waveform is integrated symbol by symbol, and the individual symbol integrals
are passed to the Cross-Correlator and Symbol-Timing Assembly where they are
combined 32 at a time to produce a true maximum likelihood detection of the encoded
data.

2.  Cross-Correlator and Symbol Timing    The basic part of this assembly receives
consecutive code words of information and cross-correlates each received word with all
code words of the code dictionary. Information bits of the dictionary word with the
highest correlation value are packed into a 24-bit register (another reason for the choice
of 6-bit data words). A second register accumulates these highest correlation values, and
a third register accumulates typical non-highest correlation values over the read-in data
block. Information in these last two registers enables the computer to determine the
signal-to-noise ratio of the received telemetry signal. After processing a block of 4
words, the cross-correlation detector transfers the register information to the system 



computer, the registers are reset to zero, and the process repeated for the next batch of
code words.

Timing for both the symbol integrator and the cross correlator (Fig. 5) is provided by a
symbol tracking loop that tracks transitions in the data waveform. Essentially, the loop
operates to maintain a zero value for the integrals of the data waveform from the middle
of one symbol period to the middle of the following one, whenever a transition occurs.

3.  The Software Package    Control of synchronization and maintenance of timing
accuracy is accomplished under computer control; the computer also functions, as
mentioned previously, to format the detected data, along with lock and system-diagnostic
information, and to record it for the user.

It is characteristic of real-time programs that not all functions are required in each mode
of operation. For example, a different set of functions is performed during acquisition
than is performed in a tracking mode. The software block diagram (Fig. 6) indicates the
several functions which are performed in the different sequential modes. There are four
such modes, labeled 0 through 3; these are, respectively, an initialization mode, a symbol
acquisition mode, a word acquisition mode, and ,finally, a data mode; the program can be
in only one of the four modes at any particular time. Under normal operating conditions,
the program progresses sequentially through modes 0, 1, and 2, until mode 3 is reached,
in which mode the program remains until data reception is terminated.

The data words are written on tape in groups of 4096 six-bit words (1024 24-bit words),
each group comprising one record on magnetic tape.

V.  SYSTEM VERIFICATION    Once the system was functionally designed and
analyzed, there remained not only the construction phase, but also the development of
equipment and techniques to verify the design. From the very first, the project entered
design-verification studies in parallel with design, analysis, and equipment construction.

A.  System Design Verification    Testing of the prototype had at its disposal a specially
built receiver/exciter system simulator in which signal and noise parameters could be
adjusted and measured with accuracy better than 0.1 dB. As a second check, and for
consistency in estimating the parameters, the system computer was programmed to
sample the input stream and to compute the same signal and noise values in an
independent way.

B.  Ground System Integration    At the end of the design verification phase, the
prototype moved to the spacecraft Compatibility Test Area (CTA-21), the functional
extraction of a tracking station, where it was installed in the same way and mated to



equipment identical to that it would later encounter. It was necessary at this time to have
a way of verifying the high-rate function to qualify the ground station ready. To this end,
a piece of test equipment had simultaneously been constructed to provide test signals
electrically equivalent to those of the received telemetry data stream. Generation of the
code and its modulation unto a subcarrier are similar to that in the spacecraft. The data
source, however, is different.

The information words to be transmitted are generated by a 9-stage modified
pseudonoise shift-register generator, which provides a series of states in a sequence
which repeats every 512 word times. Each 6-bit word appears pseudorandomly 8 times
during every 512-word sequence. Being thus generated by a shift register, the data words
have 5 of their 6 bits identical, except for a one-bit shift. This latter property makes it
possible to detect errors introduced into the system merely by comparing adjacent words
recorded on the output magnetic tape.

To exercise the entire high-rate telemetry function, the test signal is introduced at the S-
band carrier frequency and errors counted from the output tape record. The word-error
rate of the demodulated telemetry, as functions of the RF input signal-to-noise ratio, can
thus be measured as the desired verification of performance.

C.  Flight/Ground System Verification Tests    After the installation and verification of
the high-rate ground equipment described above, the Mariner ’69 project
telecommunications system group began its initial testing of the high-rate channel using
spacecraft breadboard telemetry and radio equipment. At the time of this writing, the S/C
breadboard equipment has been completely tested, and initial testing has begun on the
first spacecraft, the proof-test model. The same technique described earlier for ground
system verification is also used for spacecraft testing.

The finite rise and fall times and asymmetry of the actual waveform cause an equivalent
signal loss of approximately 0.5 dB (12%). Approximately 0.23 dB (5.5%) of this is
theoretically attributable to tile subcarrier waveform asymmetry. Care is thus being taken
to shape the flight spacecraft waveforms to limit this loss to less than 0.2 dB. That loss
component due to rise and fall times was automatically compensated for in this test by
adjusting the power allocations for each channel.

The performance measurement in this test was a word error measurement, the results of
which are shown in Figure 7 for various values of STB/NO. The test data indicates a 1%
error-rate for STB/NO = 3.9 dB, as compared to a theoretical, 100% efficient value of
3.0 dB. The 0.9 dB difference is the measured efficiency of the system hardware, almost
all of which can be attributed to calculated design efficiencies of the various components
in the system.



leaving only 0.1 dB unaccounted for in the theory.

VI.  CONCLUSION    This article has given some of the rationale and design
philosophy -which has produced the Mariner ’69 High-Rate Telemetry system. All of the
detailed analyses and many of the special hardware implementation techniques have
been omitted in consideration of space. The interested reader, however, can find these in
the references listed.
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Table I.  Design Control Table for Mariner IV and Mariner 1969

Figure 1.  High-Rate Telemetry System Functional Diagram



Figure 2.  The (32,6) Biorthogonal Reed-Muller Encoding Matrices

Figure 3.  The HRT Ground System



Figure 4.  Subcarrier Demodulation Assembly (SDA).

Figure 5.  Cross Correlator and Symbol-Timing Assembly.



Figure 6.  Software Functional Diagram.

Figure 7.  Measured and 100%-Efficient Performance Curves for the HRT System.



THE SMALL ASTRONOMY SATELLITE (SAS) PROGRAM

MARJORIE R. TOWNSEND
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Summary    One of NASA’s newest Explorer class satellite programs,the Small
Astronomy Satellite (SAS), will provide much-needed information in the most recently
studied fields of astronomy, X-ray, Gamma-ray, UV and IR. This paper will describe the
basic spacecraft functions with emphasis on its key feature, the SAS control system, as
proposed for early sky surveys, and the changes needed in it for later flights which will
require a pointing capability of one arc-minute or better. Its flexibility and versatility for
application to many different types of astronomy experiments will be examined.

Introduction    The objective of the SAS program is to study the celestial sphere above
the earth’s atmosphere and to search for sources radiating in the X-ray, Gamma-ray,
ultraviolet, visible, and infrared regions of the spectrum both inside and outside of our
galaxy. Surveys performed from such a small, Scout-launched satellite (Figure 1) will
provide valuable data on the position, strength, and time variation of sources radiating in
these regions of the spectrum and lead to the selection of the more interesting ones for
detailed study by later missions on this or more sophisticated spacecraft. It is anticipated
that one of these satellites will be launched each year, with an estimated lifetime of a
year, unless limited by the experiment sensors.

The planned orbital characteristics of the SAS series are a nominally circular 300
nautical mile (550 kilometer) equatorial orbit. The equatorial orbit is highly desirable for
an astronomy mission because the satellite will miss the South Atlantic anomaly where
the radiation belts come far down into the earth’s atmosphere (Figure 2). This will avoid
degradation of the spacecraft operation and maintain at a minimum the background count
which can affect the data returned from several different types of sensors applicable to
satellite astronomy. This orbit, with an inclination of 2.9 degrees, can be achieved by
launching from the San Marco platform located three miles east of Kenya in the Indian
Ocean. The maximum payload capability under these conditions is 333 pounds.

Basic Spacecraft Design    The satellite is designed to have a clean interface between
the basic spacecraft structure and the experiment payload (Figure 3). This is intended to
minimize costs for follow-on programs. The basic spacecraft is a cylinder approximately
22 inches in diameter and 20 inches high, weighing about 180 pounds. This lightweight



cylindrical shell acts as the primary support for the experiment. Four solar paddles,
hinged to the outer shell, provide raw power to the spacecraft and experiment. At the tips
of the paddles are the command and telemetry antennas. Inside the shell (Figure 4), and
thermally isolated from it is a honeycomb deck which is itself a good thermal conductor.
On it are the systems to provide the basic spacecraft functions: a rechargeable battery
with its charge control and regulator systems; command receivers and decoders; a 1000
bit per second telemetry system with one orbit storage capability on tape; and a
magnetically torqued commendable control system which can point the spacecraft stably
to any point in the sky. The electronic circuitry is packaged in “books” mounted with the
mutation damper on the underside of the honeycomb deck. The battery, tape recorder,
transmitter, command receivers, and rotor are mounted on the top side.

One of the design requirements for SAS was to be able to point in any orientation, thus
complicating the thermal design as well as that of the power system. The surface of the
cylinder is the only part of the spacecraft portion which radiates the internal heat loads to
space. Since the experiment is isolated from the spacecraft section with a high thermal
resistance, we will consider the spacecraft section independently of the experiment
section. The most critical items are the tape recorder and the battery, which are co-
located for efficient thermal design. The judicious use of passive thermal coatings and
multilayer insulation, with a small amount of active thermal control in the form of
heaters, permits operation in any random orientation. While most of the spacecraft
components can be operated satisfactorially from -20EC to +70EC, the battery prefers an
environment between 0E and +30EC. A separate array of solar cells on the base of the
spacecraft provides heater power for the experiment in the worst case cold condition.

Power Subsystem    The power system consists of four paddles with solar cells on both
sides; a 6-ampere-hour 8-cell nickel cadmium battery; and a shunt regulator. Still
assuming a random orientation, the power system must guarantee 27 watts average
power over the entire orbit, both nighttime and daylight portions. This is particularly
important to astronomy experiments, which frequently get their most useful data at night,
when scattered sunlight cannot interfere with the sensors. The basic spacecraft functions
require 17 watts average power, allowing 10 watts for the experiment. From Figure 5 you
can see the variation in available power as a function of sun angle. Total power includes
operational needs plus enough additional power to charge the battery to provide the same
amount of power through the nighttime portion of the orbit.

A block diagram of the power subsystem is shown in Figure 6. The solar cell array is
connected into two separate sections, the main array and an auxiliary array. The auxiliary
array is used to provide redundant power for the command subsystem and to trickle
charge the battery if it has been removed from the main bus by the low voltage sensing
switch.



The six ampere-hour nickel cadmium battery is protected by two redundant charge
control devices, a coulometer and an enhanced zener. The coulometer senses the total
energy taken from and returned to the battery by integrating the voltage developed across
the battery telemetry resistor. When the energy which was taken from the battery on
discharge has been returned, the coulometer will reduce the battery charge current to a
“safe”, preset trickle charge level by shunting the remainder. This unwanted current is
shunted internally if the battery is cold, or externally if the battery is hot. The enhanced
zener is a voltage limiter. When the battery voltage reaches a preset level, the enhanced
zener will actuate a shunt, decreasing the battery charge current. Thus the battery charge
current will be reduced to a level which will cause the battery voltage to be equal to the
enhanced zener limit voltage. As with the coulometer, the shunted current may be
dissipated internally or externally depending on battery temperature. The power
subsystem will normally be operated with both the coulometer and the enhanced zener.
However, it can operate with either one alone.

The low voltage sensing switch continuously monitors the voltage of the main bus. If it
drops below 8.8 volts (normal voltage is 10.7 v.), power is switched from the main
converters and the battery in order to protect them from damage due to possible shorted
loads. In this “solar only” mode, the battery will be trickle charged by the auxiliary array,
while the only loads on the main array are the dual command systems and the heater
circuits. Each circuit can be switched out by command if it becomes defective.

Command Subsystem    SAS employs the NASA standard PCM command system. The
spacecraft carries dual redundant receivers and decoders. The redundancy continues
through the relay coils themselves, but a single set of contacts is used. Figure 7 shows
the command system in block diagram form. Independent dipole antennas are mounted
on the tips of two adjacent solar paddles. The command signal, a pulse code modulated,
frequency shift keyed, amplitude modulated (PCM/ FSK-AM/AM) signal, is
demodulated by either or both command receivers and appears at the video output. Bit
synchronization is obtained from a signal that has been amplitude-modulated onto the
data subcarrier. The video signal is sent to a command decoder, which tests the tones for
authenticity by examining timing and frequencies. If the tones are proper, the decoder
converts the tones to digital levels and sends the levels and appropriately timed clocking
pulses to the logic circuitry. The decoder also applies power to the standby portions of
the logic, beginning with the first correctly received tone burst and remaining on long
enough to complete the command. The logic circuitry accumulates the decoded levels in
a shift register and, if the satellite address bits are proper, it activates the proper row and
column of the relay switching matrix to switch the desired relay or relay cluster.

The redundant interconnections show that only one receiver, one command logic, and
one relay switching matrix need be operating to send commands. One bit in the
command word (Figure 8) addresses the particular logic circuit and one bit the particular



relay switching circuit to be used, so that only one logic and one matrix are activated
during any given command. Each half system has its own power converter. The system’s
magnetic latching relays have two coils per relay, one for each system half, and consume
power only during a command. The direction of current flow in any given relay coil
determines the state in which the relay will latch. Because of these dual coils, actually
located in the relay switching matrix, the system’s redundancy continues up to the
magnetic flux circuit in the relay pole piece, and no single relay coil open or short can
disable the system.

The command system provides SAS with 35 on-off relay commands, 25 for the
spacecraft and 10 for the experiment. In addition, if bit 25 in the command word
specifies a “data command” instead of a “relay command”, then bits 33 through 56 are
routed, as specified by bits 27 through 32, to a location other than the relay matrix for
separate decoding. This permits an experimenter to increase his allocation of 10 on-off
commands by decoding up to 224 within the experiment.

Telemetry Subsystem    Due to the low equatorial orbit chosen for SAS, the spacecraft
can be seen regularly by only one of NASA’s Satellite Tracking and Data Acquisition
Network (STADAN) stations. For this reason, the spacecraft telemetry subsystem
(Figure 9) must include on-board storage of the data collected during the remaining 90%
of the orbit. Therefore, the pulse code modulated/phase modulated (PCM/PM) telemetry
system has two basic modes of operation - record and playback. In the normal, or record
mode, digital data from various sources are multiplexed and sent to be stored serially in
Manchester Code on an endless loop tape recorder and to phase-modulate a VHF
transmitter. This continuous output, radiated through a turnstile antenna at the tip of one
of the solar paddles, is used as a beacon for tracking the satellite and for the collection of
real-time data. As the satellite passes over its data acquisition station, however, the tape
recorder is commanded into playback mode and the data from the full 96 minute orbit
phase-modulates the same transmitter with a 30 kbps signal. Simultaneously, the
transmitter is switched into its high power (2 watt) mode. The tape recorder and the
transmitter automatically return to the record mode of operation after completion of the
3.4 minute playback cycle, or upon ground command. In a special operating mode, real-
time data can be transmitted at 2 watts. This system meets the requirements of the
NASA/GSFC Aerospace Data Systems Standards for PCM telemetry systems. Phase
deviation is ±64E peak, with a realtime bandwidth allocation of ±15kHz and a tape
recorder playback allocation of ±45kHz. Linear phase filters, having their 3 db points at
1kHz and 30kHz respectively for record and playback mode, are used for premodulation
filtering.

The 1000 bps real-time data rate was determined by optimizing experimenter and
housekeeping data requirements with a reasonable length of tape (300 feet) and a
reasonably conservative bit packing density for single track recording (1667 bits per



1 Jesse L. Maury, Jr. and Frederick J. Styles, “Development of Optimum Frame Synchronization
Codes for Goddard Space Flight Center PCM Telemetry Standards”, NTC ’64 Proceedings

inch). The tape recorder, of flight-proven endless loop design, weighs only 7 pounds and
requires 1.5 watts in record mode and 3.0 watts in playback mode. Wow and flutter will
be kept below 2% peak-to-peak, with jitter below 3% peak-to-peak. Commands will
bypass the output reclocking circuitry and energize the erase head, as well as provide the
obvious record/playback and on/off control. Digital data recording was selected for its
better signal-to-noise properties and the fact that the data could be provided to the
telemetry system most easily in digital form.

The basic format is shown in Figure 10. The minor frame is composed of 32 words, each
having three 8-bit syllables, which permits easy handling of 8, 16, or 24 bit data words.
Of these 96 syllables, the first three are allocated to frame synchronization. The frame
synchronization word used is the optimum 24 bit code word determined by Maury and
Styles1, 11111011111001100100000. One syllable is allocated to frame identification,
three to 64 position analog subcommutators, two to digital subcommutators, one for a
parity word and the remaining 86 for data. The period of the minor frame is 0.768 second
and, for the major frame, 64 times that or 49.152 seconds. The basic timing source for
the system is a temperature-compensated 1.024MHz crystal oscillator, whose frequency
variation is less than one part in 106 per orbit. It serves as the source for all readout gates,
clock signals to control the multiplexing of spacecraft and experiment data, motor drive
frequencies for the tape recorder and rotor, and pulses for the 20 bit accumulator which
is incremented by the minor frame identifier every major frame, and sampled every eight
minor frames. Unambiguous time correlation for about 20 months is provided.

While most of the data originates in digital form, many of the housekeeping functions are
analog and must be converted. A dual-slope integrating analog-to-digital converter,
accurate to 8 bits, is used for this purpose. It is clocked at 16kHz and has an aperture of
8ms. While its normal inputs are 0 to 250mv, the telemetry system can provide a variety
of attenuators so that signal levels of ±0.5, ±1.25, ±2.5, ±5.0, or ±7.5 volts can be
accepted. An additional feature of the analog subcommutators is that it is possible to
command either of them to stop and sample continuously, at the minor frame rate of
0.768 second, any one of its 64 positions. After receiving the RUN command again, it
will automatically resynchronize itself at the beginning of the next major frame.

One of the digital subcommutators has 16 channels. Twelve of the channels accept 8-bit
parallel data while the other four accept 8-bit serial data. The second digital
subcommutator has 8 channels, each of which accepts 8-bit serial data. These digital
subcommutators provide us with command verification, the unambiguous time code, a
monitor of the rotor speed, and time correlation to 24 ms for the digital solar aspect
sensor data.



This telemetry system is less than 0.2 cubic foot, weighs 14 pounds, and consumes 4.5
watts. It is built in modular form for easy expansion, and the design is such that the
present hard-wired format could be replaced by an in-flight programmable unit if these
requirements occur in the future.

Control Subsystem    The most unique feature of the Small Astronomy Satellite is its
control system. An evolutionary system is planned which will permit the present
scanning system to progress to an accurately-pointed, three-axis stabilized spacecraft, a
most valuable tool in astronomy.

First, a look at the basic control system. The prime contractor for SAS, the Applied
Physics Laboratory of the Johns Hopkins University, has a well-established reputation in
the field of magnetic control. An obvious advantage of the use of the earth’s magnetic
field for torquing near-earth satellites is the elimination of the need for expendables, and
their inherent life limitations.

Experiments can look along the Z-axis of the SAS spacecraft or perpendicular to it. If
one is looking out perpendicular to the Z-axis, and the spacecraft is rotated slowly about
the Z-axis, then a swath is swept out of the celestial sphere. The vector made by the
Z-axis in space can be moved, and another swath swept. Thus, ultimately, the entire
celestial sphere can be scanned.

This sweeping technique is valid even if the Z-axis wobbles, but data reduction can be
made much easier if it is stable. One way of achieving stability is by spinning the
spacecraft. This is quite satisfactory for many experiments looking along the Z-axis.
However, a high spin rate will reduce the effective time-on-target for perpendicular-
looking experiments and, consequently, the signal-to-noise ratio of the celestial sources.
An alternative method of adding the required angular momentum along the Z-axis is to
include a momentum wheel whose axis is parallel to the Z-axis.

Figure 11 shows the various components of the control system. Controlling the Z-axis
orientation is accomplished by energizing a torquing coil. This electromagnet, acting like
a compass needle, attempts to align the spacecraft with the earth’s magnetic field. At the
maximum rate, using a magnetic dipole of 5 x 104 pole-centimeters, it is possible to
move the Z-axis of the spacecraft 1.72 degrees per minute.

Figure 12 shows how a maneuver might be performed to point the Z-axis to a new
direction as requested by an experimenter. This particular sequence is designed to result
in no change in right ascension, but only in declination. In normal operation a combined
motion in both right ascension and declination will be accomplished with the aid of a
computer. The computer must store the values of the earth’s magnetic field in each
predicted satellite position. Knowing this, the dipole moment of the satellite, and the



desired change of position, the computer will determine at what point in the orbit the
torquing coil is to be turned on and for how long. Time delays of up to an hour are
available in the satellite so that the maneuver can begin at the optimum time in the orbit,
not just over the command station. Time increments for this delayed maneuver are 2.5
minutes, both for the delay and for the maneuvering period. Finer control can be
obtained by turning the torquing command on and off while within sight of the station.
Once the position is achieved, it is held primarily due to the momentum generated by the
rotor, (Figure 13), which is 2.12 X 107 gm-cm2/sec. Drifting from this position is caused
by gravity gradient, aerodynamic, and magnetic torques, the latter resulting from
uncompensated dipoles. The total of these drift rates should not exceed 5 degrees per day
on the average. To guarantee that the residual magnetism of the spacecraft is minimized,
it is provided with a degaussing coil and a chargeable trim magnet system to compensate
in orbit for residual magnetism along each axis. It is possible to use this system to
produce a specific dipole moment for controlled spin axis drift.

The nutation damper is used to dissipate the lateral components of satellite angular
velocity created by the magnetic torquing. It consists (Figure 14) of a torsion wire
suspended arm with an end mass and a copper damping vane. If mutations occur, the arm
oscillates causing the copper vane to swing back and forth through the gap in a
permanent magnet, thus inducing eddy currents in the copper vane. With the rotor on, the
residual nutation should be less than 0.2 degree; with the rotor off, it may be a few
degrees. The motion of the nutation damper, detected optically by a coded digital mask
mounted on the movable arm, is telemetered every 8 seconds via a 7 bit binary word.

The spin rate control system is shown in Figure 15. Signals sensed by the X- and Y-axis
magnetometers are amplified and applied in quadrature to the Y- and X-axis coils. This
system, in conjunction with the earth’s magnetic field, operates essentially as a motor to
increase or decrease the speed of rotation about the Z-axis. The maximum rate of change
of spin rate is 10 rpm per day.

This summarizes the basic SAS control system with which many astronomy experiments
can be performed well. It is ideally suited for sky surveys when used in conjunction with
a good attitude determination system. Data telemetered from the magnetometers and a
digital sun sensor on board the spacecraft can be used to determine attitude to ±5E or
better.

Experiments and Future Development    On SAS-A, the principal of Dr. Riccardo
Giacconi of American Science of American Science and Engineering, Inc.,  is flying star
and sun sensors accurately aligned with the experiment X-ray collimators so that attitude
may be determine to a minute of arc. This experiment will provide us with an accurate
map of X-ray sources throughout the celestial sphere. After such a survey which will
determine source strength, position, and spectral composition, it is obvious that later X-



ray experiments will require more accurate pointing capability for detailed study of
individual sources. The SAS design permits building on this basic control system by
adding a star tracker or star camera system, to provide three axis stabilization to hold the
attitude of the satellite to one minute of arc or better. This would permit useful
experiments in the UV and IR regions of the spectrum as well.

Rough positioning of the spacecraft would be accomplished by the basic control system
as described above, and the exact attitude determined by ground computer. Then, for
example, a program could be transmitted for storage in the spacecraft defining a pattern
that the star camera should see and fine torquing would be used to find and maintain the
proper position Two sets of optics with about 100 fields of view located at 900 to each
other could permit three-axis attitude detection to a resolution of 10 seconds of arc, and
control to I minute of arc. Error signals would control the speed of the basic rotor whose
excess momentum would be dumped into the earth’s magnetic field - again, no
expendables. Small gyros or a worm gear tilting mechanism would be suitable for fine
control of the X- and Y-axes. A system of this general type is planned for SAS-C and
later flights. SAS-B will be a sky survey of Gamma-Ray sources, with Dr. Carl Fichtel of
the Goddard Space Flight Center as principal investigator. The basic control system is
adequate for SAS-B as the Gamma Ray Spark Chamber has a 45E field of view and does
not require very fine pointing.

Summary    To summarize the capabilities of the Small Astronomy Satellite:  It is a
small, inexpensive, Scout-launched spacecraft specifically designed to meet the
requirements of astronomy missions in a 300 n. mi. circular equatorial orbit. The
spacecraft portion requires about 4.4 cubic feet, weighs 180 pounds and needs 17 watts
average power to perform all the basic spacecraft functions in any random orientation.
Depending on the Scout envelope chosen (Figure 16), the volume available for an
experiment is either 6.4 or 12.5 cubic feet, the available weight is 150 pounds, and power
is 10 watts. If the fine pointing system is desired, these experiment allocations are
decreased by the amount required for it, about 20 pounds, 2 watts, and less than one
cubic foot. One orbit storage is provided for a data rate of 1000 bps, more than 90% of
which is available for experiment data. Although most astronomy experiments are large
and will require the entire spacecraft capability, it is possible to fly several small
compatible experiments simultaneously. SAS can provide for astronomers a much
needed, versatile platform for studying sources radiating in the X-ray, Gamma-Ray,
visible, infra-red, and ultra-violet regions of the spectrum.



Fig. 1 - Artist’s Conception of the Small Astronomy Satellite (SAS)

Fig. 2 - Plot of Radiation Belts Provided by Dr. James Vette, GSFC



Fig. 3 - SAS in Launch Configuration on Scout with Standard Shroud

Fig. 4 - Cross-section of Basic Spacecraft Structure



Fig. 5 - SAS Solar Cell Array Current

Fig. 6 - SAS Power System



Fig. 7 - SAS Command System

Fig. 8 - SAS Command Word



Fig. 9 - SAS Telemetry System

Fig. 10 - SAS PCM Telemetry System Frame Format



Fig. 11 - SAS-A Spin Axis Orientation Control System

Fig. 12 - SAS-A Declination Maneuver Sequence



Fig. 13 - Simplified Drawing of Angular Momentum Flywheel

Fig. 14 - Simplified Drawing of SAS-A Nutation Damper



Fig. 15 - Block Diagram of Spin Control System

Fig. 16 - Outline Drawing of SAS Experiment Package



OUTPυT SNR OF AN FM DISCRIMINATOR WITH NON-IDEAl lIMITlNG 

By D. L. SCHILLlNG and J. J. REFI 

心血nary﹒ - The effect of abrupt-limiting on the outpu七 of
a frequencY/ 9�scriminator has been trea七ed thoroughly by  
Middlëton. - (l) This paper considers the case of smoòth- b and
pass 1imi七ing both for 七he simple differentiator and for the 
b a1anced discrimina七or. The error func七ion is used as a 
mode1 for the smooth 1im1ter. 甘le idea1ness of the 1im1ter 
1s re1a七ed 1n the quant1七Y 11μ刊 『 七he 1imi七ing hardness. The 
ana1ys1s revea1s 七hat for a b a1anced d1scriminator， the 
outpu七 signa1-to- noise ratio can be made 1argely immune to 
changes in IIμII﹒ However， for the unba1anced discriminator， 
the signa1-七。- noise is no七 on1y apprec1ab1y 11μ11 dependent， 
but a1so a function of carrier frequency. 

工. The Unb a1anced D1scr1mina七or
Noise Ana1ysis. - An unba1anced d1scrim1na七or is shown in 

Fig. 1. 工七 cons+s�s of a 1imiter， differentiator and env-
e10pe de七ector. (2) 

The inpu七 七o 七he I.F. s七age is given b y  
v1 = A cosω。七+ N(t) 

where N(七) = stat10na句， whi七e Gauss1an no1se with zero mean. 
甘le output of the 工.F. f11ter 1s s1mp1y 

v2 = A cosωot + n(七)

where n(七) = stat1onary， narrowband Gaussian noise with zero 
mean and variance，σ2 

N 
Rewr1七ing n(七) 1n terms of its in-phase and quadrature com
ponents， we have 

v2 
= [ A + x(t)] cosωo七 - y{七)恥"。七 (1)

Here x(七) and y{七) are independent Gaussian processes w1七h
zero mean and variance _ 2 

�N 
Equation (1) can a1so b e  wr1tten as 

v
2 
= R{t)ω 〔ωo七 +φ(t)J (2) 
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where 
昀) = / [A + x (t) ]2 + y2 (七)

and 

Let 

φ(七)= 七an-l y(七)
x(t) 

。(七)=(1jot+φ(七)
v2 = R(七) cos 8(t) (3) then 

This waveform en七ers the 11mi七er whose 七ransfer function is 
shown in Fig. 2 and is given by _ 

V門 l φ ‘ lv =訂f --LJι= erf I BA主1 cos 8 (t) I (斗)3 IJ. -- - ! μ | 
Equa七ion (斗) can be expanded in a Fourier series， and 

s1nce v3 is an even func七ion
α。

v_.
， 
= l: α cos n 8 .) n=l n 

The bandpass fi1ter (see Fig. 1) passes on1y the first 
harmonic frequency. Thus 

V.. = α cos t! 斗 1 � �� v (5) 
where 行α = 土 rh v cos e dO=LF cos e e吋 (R l:()!'l. A ) 1 行 ‘10 . 3 π h ��V V �... èît �Uö 0 )d8 

This in七egra1 can be in七egrated by parts. The resu1七is
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the output of 七he bandpass 1imi七er

(8) 

vlo = ?:-Æ._ G COS 8 斗 .;:;
The outpu七 of the d1fferentia七or 1s 

(9) 

V� = 孟之..J Uv Jπ 戶2+82σ2 c'Ös (8 + y) (10) 



where 
Y =tan-lLL 

G 
Enve10pe detect1ng (10)， the ou七put n01se pr10r to 10w

pass fll七er1ng 1s 

v _ = � ，._ë. � ë ë 6 jIT" IIG + e G (11 ) 

For a reasonab1y good 11m1ter， μ 1s sma11(μ = 0 1s idea1). 
Assuming a sma11 hardness to carr1er-amp11tude rati� �makes 
Z 1arge-(see (8)). The asympto七1c expans10ns of the A 
mod1f1ed Besse1 func七ions are therefore app1icab1e 七o (7). 
Reta1ning the first two terms of these ser1es， we have 

hJ苦-j2-制
and 

G = � - 一
一 4J2;r Z2 

Subst1tut1ng( 12 ) ， ( 13) and (8)， in七o(11) y1e1ds: 
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4七.h1gh carrler-七。-nolse ratlos， e can be rep1aced by 
ω。+fin(1斗). 工n addlt10n， slnce we are interested in the 

μ behav10r of (14) for sma11一， we expand (1的ln a Mac1aurln A serles: 
4w • ( � ) 

v;- = __ o_+ 主;;:_ - _J. { U O+t � (挂)2
b π ηA (_ 2x x2 .;y.Z) (A") (15) 
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for 1arge carrler-七o-n01se rat10s: 
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The denomina七or of the third七erm in (15) ca n be expa nded in a binomia 1 expa nsion. Mu1七ip1ying out and re七a iningnoise 
terms up to order two yie1 ds 
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To find七he outpu七noise power， we first take七he autocorre1a七ion of (16) . The resu1七 1s:
1 1 ( 2 2 R v6 ( T ) = � i C 2 _ Rx ( T ) + C 3 - R� ( T) 

ï -.2 
+ 2 1 R�( T) 1 (�2 . � 2) . � 2 � I ， . � I ， ) I "x' I I � C 4'- + C5cc � + C6 凡(T ) + 已(T) t (的

一 一 σ 2 "" 
The power spectrum of x(t) 1s a consta nt， n =τ!':!_ ， over 

the I.F. bandw 1 d七h. _ Taking七he Fourier tra nsformD工F of (17)， 七henoise spectrum SV6(ω) 1s obta1ned. 
Integra七ing the spectra 1 dens1ty over the ba se bandw1dth 

g1ves the tota 1 n01se power， 
N = 1 r2rrfm 
。 - ñ J o SV6(ω) dw (18) 

Performing this 1ntegra七10n， subst1tut1ng ba ck for the 
'C's" and mak1ng the subs七1七ut10 ns
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Signa1 Ana1ys1s� - The s1gna1 ana1ys1s for 七he unba1anced 
d1scr1m1na七or para11e1s 七he no1se deve1opment， and for tha七
reason on1y the high1igh七s are given. 

The modu1ated noise-free carrier is 

(20) 
Le七

't=ω。七+ω.fs(t) dt 

Then 
= v = A cos JÞ 2 1 

and 
v 3 = erf �對= erf ��ωr � 

Equa七ion (21) 1s simi1ar to (的and therefore from (9) we 
have 

(21 ) 

VA=群之G cos '1' (22) 
where 2」μ
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No七e tha七 G' 1s no七 a funct10n of七ime.
D1ffere的ia七ing and enve10pe detect1ng (22) yie1ds 

vh = 製乏一 台計 (23) 、- tJ行
Substi七uting for � and insert1ng the first 七wo terms of 七he
asymptot1c expansions for 七he modified Besse1 functions in G' 1nto (23) we obtain， 

、 r -; 戶 ， ‘ 2 .v6 = ;- I ω。+ t.ws (七) I I斗 - �� � I 
If S(t) is chosen as s1�uso1da1， the output 
(ignoring the D.C. term)， 

S = 包三 I (且)2 _ 4 γ= 2ß2 f 2 
。 各Tζ I (A) I m 

signa1 power is 

[ �的
2 - 4 ] (2的

si民na1-.to-No1se Ra七1�. - The output signa1-to-noise ratio 
is s1mp1y (2斗) divided by (19). Us1ng Carson's ru1e for 
bandwid七h，

B_ _ = 2(ß + 1) f 工F m 



we have 
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(25) 

As a check， we note tha七(25) reduces to the f'am11iar f'orm 
f'or 1dea1 11m1七1ng (μ = 0): 

SO/ =3(β+ 1)自2(C/N)i 
'N O 

工工. Ba1anced Discriminator 
A mode1 for the ba1anced d1scr1m1nator 1s shown in F1gure 

3*. The input vo1tage af'ter 1im1ting and bandpass f'i1七ering
i s gi ven by (9). 工n Appendix A， the output 1s shown to be 
given by 

VG=F F可2 G2 
(26) 

Comparing (26) to (11) we see that the balanced discrimi
nator has doubled the output vo1tage and eliminated the 
f'requency dependence since 

φ二E
Consequen七ly， the ana1ysis is similar to 七ha七 of' the simp1e 
d1f'f'erentiator. Wi七h this in mind， we obtain the output 
s1gna1-to-n01se ratio direc七1y f'rom (25) by elimina七ing the 
frequency dependen七 七erms:
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特This mode1 was suggested by A. Newton， RCA Advanced 
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cor叫usions� - Examination of (25) and (27) revea1s that 
七he output signa1-to-noise ratio is frequency dependent for 
the unba1anced discrim1nator， and 1s frequency independent 
for the ba1anced d1scr1m1na七or.

E冶uat10ns (25) and (27) were eva1uated for some represen
七a七1ve numbers 

f = 953Hz 
m 

B = 21kHz 
工F

已= 10 

f = 100kHz 
o 

(C/N)i言 20db

As t went from o t。 l， 七he SNR for伽unba1anced d1s申
cr1m1na七or was degraded by 40db. However， the performance 
of the ba1anced d1scr1m1nator was degraded by on1y 1db. 

From this ana1ys1s， the simp1e different1ator is seeQ 
to be 1arge1y dependent on 七he qua1i七Y of the 11m1ter， 
whereas 七he ba1anced d1scr1m1nator suppresses th1s effec七.
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APPENDIX A 

From (9) we have 
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Referring to Fig. 3 

Hence， 

v6 

v a 
dv斗 之/'2一 F cose -(心。+中) G sin 司一一
dt J1r 

2、1 2 tá cos 8 + (仗。刊) G sin � -Va = 內/ τr 
v b 

v c 立

在-
F

Vd 

Ve = vb + vd 

= 之「τE
仇「一王一

[(.L'o G sin 8 -已仰。 + d> G sin � 

envelope of {手甘心-…�}
主ζE

J可- J å2 +♂G2 



FIGURE 1.  THE UNBALANCED LIMITER-DISCRIMINATOR

FIGURE 2.  A SMOOTH LIMITER

FIGURE 3.  A BALANCED DISCRIMINATOR



FREQUENCY FEED-FORWARD - AN OPEN LOOP APPROACH
FOR EXTENDING THE THRESHOLD AND LINEARITY OF FM

DEMODULATORS

M. G. PELCHAT and S. B. BOOR
Radiation Incorporated

Melbourne, Florida

Summary    This paper describes Frequency Feed-Forward, an open-loop technique for
lowering the FM threshold. The amount of threshold improvement with standard
discriminators is discussed and experimental results with sinewave and gaussian
modulation are given.

I.  Introduction    Frequency feed-forward is a technique for extending the threshold of
wideband FM demodulators. The basic concept is illustrated in Figure 1. The input
signal

the sum of a frequency modulated carrier and noise, is applied to FM Demodulator 1 to
produce the ‘normal’ output

which feeds a second FM demodulator to give an estimate



of the error made in the first demodulator. Proper combination of the demodulator
outputs gives a final output of the form

smaller than the desired signal N(t) and, therefore, FM Demodulator 2 can have a narrow
bandwidth compared to the bandwidth of FM Demodulator 1.

Section II contains an approximate theoretical analysis of the amount of threshold
extension achievable with standard discriminators. This implementation has the
important advantage of being open-loop and hence of being unconditionally stable.
Section III presents experimental results obtained with the configuration discussed in
Section II for both Gaussian and sinewave modulating signals.

II.  Threshold Extension With Standard Discriminators    At high input signal-to-
noise ratio and for a degree of modulation such that FM Demodulator 1, Figure 1, is
linear the output of FM Demodulator 2 is zero and no improvement results from the use
of frequency feed-forward. Under these conditions errors in gain and time delay settings
result in an error being detected by FM Demodulator 2 but the net effect is simply a
change in the baseband frequency response of the demodulator. These results are easily
deduced from a linear analysis.

Frequency feed-forward becomes useful when non-linear effects, which defy rigorous
analysis, become important in FM Demodulator 1. Some arguments will now be
presented which lead to a quantitative estimate of the threshold extension achievable
with standard discriminators in a frequency feedforward arrangement, Figure 2. This
analysis is rough but it seems to describe the basic limitations observed in practice.

One might expect a threshold improvement about equal to the ratio of the IF bandwidths,
BIF1/BIF2 . One might also expect that BIF2 could be made much smaller than BIF1 because
even below threshold the rms error is much less than the rms signal in a wideband
discriminator; i.e., the threshold output signal-to-noise ratio is high. Unfortunately, the
error to be estimated in the bottom discriminator is very “spiky,” having a peak value



much larger than its rms value. Thus BIF2 is required to be larger than might be predicted
considering only the rms value of the error to be measured.

The “spiky” error waveforms to be measured are referred to as pops or clicks and were
first discussed by J. Cohn(1). Further discussions are given by Rice(2), McRae(3). A pop
waveform observed at Point 3, Figure 2, is almost equal to the impulse response of the
low-pass filter, see Figure 3. For an ideal sharp cutoff low-pass filter the peak value of a
pop corresponds to a frequency deviation equal to twice the lowpass filter bandwidth.
The filters implemented gave pop peak values close to 2.2 Bv. The Carson’s Rule
bandwidth for the bottom IF filter is then

(1)
A first estimate of threshold improvement, in decibels, is then

(2)

For example, in a design discussed later for which BIF1 = 16.4 Bv the threshold
improvement given by Equation 2 is 4.0 dB. However, with the top discriminator 4.0 dB
below threshold the spike errors to be detected no longer have a peak value of 2.2 Bv

because two pops frequently overlap in time. overlapping pops cause excessive
frequency deviation in the bottom discriminator and represent a basic limitation of the
frequency feed-forward technique. An important question, then, is: how far is the top
discriminator below threshold when it produces a significant number of double pops?

With reference to Figure 2 define,

With the input carrier deviated by a typical amount, 0.4 BIF1, the pop rate is
approximately (3)

(2)



and the average number of pops during time Tv is

(3)

Based on the usual assumption that pops are Poisson distributed (2,3), we have

(4)
Now in the case considered earlier BIF1 = 16.4 Bv, Dt is approximately 9 dB, and

8 = 1.2 x 10-3

P0(Dt) = 0.9988
P1(Dt) = 1.2 x 10-3 
P2(Dt) = 0.72 x 10-6 

for D = 4.2(6.2 dB)
8 = 0.049
P0(4.2) = .951
P1(4.2) = 0.047
P2(4.2) = 1.15 x 10-3

Thus, the double pop rate at D = 6.2 dB is approximately equal to the single pop rate at
D = 9 dB. Therefore, because of overlapping pops, a threshold improvement of 2.8 dB is
anticipated rather than 4.0 dB obtained from Equation 2. This 2.8 dB improvement was
obtained for a particular value of BIF1/ Bv = 16.4; however, the figure is almost
independent of this ratio, provided the ratio is larger than 10.

In systems with very large values of the ratio BIF1/Bv it might be possible to increase BIF2

to accomodate two overlapping pops. A basic limitation is now due to triple pops and the
2.8 dB figure is changed to 4.5 dB. A very important practical limitation in such systems
would be due to imperfect cancellation of single pops.

III.  Experimental Results    The frequency feed-forward concept has been tested using
discriminators, FMFB, and PLL demodulators in various combinations. Measurements
were made using the equipment shown in Figure 4. This multi-mode demodulator was
designed for a 60 KHz maximum baseband frequency and accepts inputs at 70 MHz.

Standard NPR (Noise Power Ratio) tests, in which the modulating signal has a gaussian
distribution, were made. The NPR test procedure is illustrated in Figure 5. A noise
source is filtered, to simulate a specific baseband frequency range, and used to modulate
a carrier. The demodulated signal is measured with a tuned receiver. A notch filter is



* A standard format for 12 voice channel FDM.

then introduced prior to modulation and the receiver output is again read. The ratio
between the two readings is the NPR. In the absence of noise and distortion, an infinite
NPR would result, but in a practical situation both effects are present.

NPR measurements were made using limiter-discriminators as the demodulators and
with a 12-60 KHz* baseband spectrum with standard (CCIR) pre-emphasis. Both low
frequency (14 KHz) and high frequency (56 KHz) ends of the spectrum were monitored.
Curves showing these results with low, “optimum”, and high deviations are given in
Figures 6 - 11. NPR is plotted versus C/KT, the carrier-to-noise ratio in a one Hertz
bandwidth, for both the conventional demodulator output and the improved output. The
improvement due to feed-forward is more pronounced in Channel 1 due to the parabolic
shape of the FM noise spectrum and the flat shape of the “error” spectrum.

The major conclusion which can be drawn is that feedforward improves the output
quality under all conditions of deviation and input carrier-to-noise ratio. The amount of
improvement is dependent upon both deviation and C/KT. The normal demodulator was
designed to obtain 35 dB NPR with minimum C/KT, and is “optimum” when a deviation
of 150 KHz rms is used. Figures 6 and 7 show deviations 4 dB below optimum and
Figures 10 and 11 show deviations 3 dB above optimum.

Although NPR tests are more general in nature, sine wave tests can be of specific
interest, and are more revealing when studying waveforms. Sine wave measurements
were made with a double discriminator demodulator. A 14 KHz sine wave modulation
was used and the signal plus noise-to-noise ratio was read on a distortion analyzer. These
measurements are shown in Figure 12. The improvement due to feed-forward is greater
for larger deviations, as expected. With a deviation of 560 KHz, which is close to the
Carson’s Rule deviation for a 1.25 MHz IF bandwidth, the threshold improvement due to
frequency feed-forward is about 2 dB. Note that frequency feed-forward is less affected
by over-deviation than the standard discriminator.

IV.  Conclusion    A method for improving the performance of FM demodulators has
been described, basic performance limitations have been discussed, and experimental
data taken. The technique is notable in that it is open-loop, thus unconditionally stable,
and would, therefore, be especially applicable in very wideband systems where the full
potential of frequency feedback cannot be realized in practice because of incidental time
delays.
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Figure 3.  Waveform at Output of FM Discriminator in Threshold Region

Figure 4

Figure 5



Figure 6 Figure 7



Figure 8 Figure 9



Figure 10 Figure 11



Figure 12



PRESAMPLING FILTERING

D. D. MCRAE and R. C. DAVIS
Advanced Communications Department

Radiation Incorporated
Melbourne, Florida

Summary    Sampled data systems often employ lumped-parameter lowpass filters both
prior to and following the sampling operation. The purpose of these filters is to reduce
the error between the input and output data waveforms. The present paper discusses the
effect of presampling filters on the rms interpolation error for two types of sampled data
systems and gives some thumb rules for choosing such filters. The two types of sampled
data systems considered are: (1) one employing only zero-order hold interpolation, and
(2) one employing zero-order hold followed by the best lowpass lumped-parameter
interpolation filter. The resulting expressions for rms interpolation error for sampled data
systems employing lumped-parameter filters from a detailed time domain analysis are
given.

Background    In sampled data systems a time continuous data waveform is represented
by periodic time samples. The process of reconstructing an estimate of the original
waveform from the time samples is called the interpolation process and the difference
between the original and estimated waveforms is called the interpolation error.

It has been recognized for some time that the magnitude of the interpolation error can be
affected by use of a linear filter operating upon the original time function before it
reaches the sampling device. Although such filtering distorts the wanted signal to some
degree, which increases the interpolation error, it also can reduce the interpolation error
by removing components which cause aliasing or frequency foldover in the
reconstruction process. It has been shown that if the power spectral density of the data to
be transmitted is non-increasing the presampling and interpolation filters which
minimize the mean-square interpolation error are both ideal sharp cutoff lowpass filters
with cutoff at one-half the sampling rate. It can be easily demonstrated that in such a case
the removal of the presampling filter will double the mean-square interpolation error.
However, the resulting sharp cutoff interpolation filter, by itself, is non-optimum for any
data spectra other than ideal sharp cutoff. It follows that the use of an optimum
combination of presampling and interpolation filter can never reduce the mean-square
interpolation error by two over that obtained by use of the optimum interpolation filter
with no presampling filter. Further, if one examines the effect on interpolation error



when the presampling filter is restricted to a relatively simple minimum phase filter, the
gain available becomes extremely small. This is illustrated in Figure 1 which shows a set
of curves of rms error versus sampling rate for first order data, first order presampling
filter, and 100% pulse stretching. The parameter on the curves is SR/fp, the ratio of
sampling rate to presampling filter 3 dB frequency. At a given sampling rate then the
curves show the variation in rms error for first order data as the first order presampling
filter bandwidth is varied. Notice that at a normalized sampling rate of 312, 10% rms
error is obtained with no presampling filter and that this is reduced to only 8.4% with the
best 1st order presampling filter. For higher order data the improvement over the no
presampling filter case is even less than that for first order data.

If little or no improvement is obtained then why bother to use a presampling filter at all?
The answer of course is that noise is almost always present along with the data and one
would like to suppress the noise without seriously distorting the data. Figure 1 shows
that for first order data, a first order presampling filter having a 3 dB frequency down to
about one- sixth the sampling rate, can be incorporated before degradation over the no
presampling filter case occurs. In the case that the noise frequencies are higher than the
significant data frequencies one would like to make the presampling filter bandwidth just
as restrictive as possible without seriously degrading the data in order to eliminate the
noise. This is just the type information that plots such as that in Figure 1 can give.
Various plots like this have been generated for different orders of data in combination
with different orders of presampling filters. The data considered have Butterworth
spectra and the filters are of the lowpass Butterworth type.

Results    Figures 2-5 show the effect of presampling filters on the rms error for first
through fourth order Butterworth data with 100% pulse stretching and no interpolation
filter. On these figures it is assumed that the sampling rate is chosen such that 10% rms
error is obtained with no presampling filter. The curves are plots of the change in rms
error (above or below 10%) versus the 3 dB bandwidth (as a fraction of the sampling
rate) of first, second, and fourth order Butterworth presampling filters. For the
assumption of less than 10% rms error in the no presampling filter case, the curves
shrink vertically. Figures 2-5 therefore indicate that in a sampled data system which
employs no interpolation filter but uses zero-order hold (100% pulse stretching) a
presampling filter can be incorporated at a 3 dB bandwidth of one-fourth the sampling
rate with less than 1% degradation in the rms error over the no presampling filter case.
Note that this assumes that 10% or less rms error is obtained prior to filtering but is
insensitive to data order and is true for at least first through fourth order presampling
filters.

Let us next consider the case where a lumped-parameter interpolation filter is used with
the zero-order hold. Assume that the designer chooses the interpolation filter as the best
one for the given sampling rate with no presampling filter (corresponding to the knee of



a curve at the given sampling rate for Th/Ts = 1.0 in a plot like Figure 11). What then is
the effect of including a presampling filter on the rms error performance of the system?
This is the question we now attempt to answer.

A set of curves for answering the question just posed was generated using a computer
program for the rms error expressions given in the Analysis Section to follow. A typical
plot of a set of these curves is shown in Figure 6. Here the rms error is plotted versus
sampling rate for third order Butterworth data. The best first order interpolation filter in
the absence of presampling filtering was chosen for each sampling rate. The parameter
SR/f p appearing on the curves is the ratio of sampling rate to presampling filter 3 dB
frequency. At a given sampling rate the curves show the change in rms error as the first
order presampling filter bandwidth changes.

From curves, such as those in Figure 6, for first, third, and fourth order data the effect of
presampling filtering on rms error was plotted. This is shown in Figures 7-9. Here it is
assumed that the sampling rate is such that 5% rms error is obtained in the case that
100% pulse-stretching is used and the best first order interpolation filter in the absence
of a presampling filter is employed. The change in rms error (about the 5% figure) is
plotted versus presampling filter 3 dB frequency. For smaller rms errors the curves
shrink in the vertical direction. These curves show that if the rms error before
presampling filtering is 5% or less, a presampling filter with 3 dB bandwidth-at one-half
the sampling rate can be incorporated with less than approximately 1% degradation in
error performance. As the presampling filter bandwidth is decreased below onehalf the
sampling rate the degradation increases rapidly. For rms errors (before presampling
filtering) greater than the 5% for which the curves in Figures 7-9 are drawn, the
presampling filter 3 dB bandwidth cannot be reduced much below the sampling rate
before serious degradation occurs.

The curves of Figures 7-9 are for the case that the best first order interpolation filter is
used. Similar results have also been obtained for the case that the best fourth order
Butterworth interpolation filter is used. These considerations then indicate that a sampled
data system already employing the best interpolation filter for the given sampling rate
should not use a presampling filter 3 dB bandwidth below approximately one-half the
sampling rate.

Conclusions    The resulting expressions from a time-domain analysis of the rms
interpolation error in sampled data systems using lumped-parameter filters are presented
in the Analysis Section. These expressions take into account presampling filtering, pulse-
stretching, interpolation filtering, and an arbitrary time delay on the input data. A
computer program for evaluating these expressions has been used to obtain some
interesting results concerning presampling filter assignment for certain sampled data
systems.



* In the past the derivation has usually been performed in the frequency domain since the
mechanics are easier to visualize this way.

It was found that a presampling filter with 3 dB bandwidth at one-fourth the sampling
rate can be used with less than 1% degradation in rms error performance on a sampled
data channel whose rms error is less than 10% using only zero-order hold interpolation.
It was found that this statement is insensitive to data order and is true at least for first
through fourth order presampling filters. As the presampling filter bandwidth is reduced
below one-fourth the sampling rate the degradation in rms error performance was found
to increase rapidly. This establishes a restriction on how low the presampling filter
bandwidth can be when one is attempting to suppress noise frequencies which are higher
than the important data frequencies.

Another sampled data system considered was one which uses zero-order hold followed
by the best interpolation filter for the given sampling rate. For such a system it was
found that a presampling filter 3 dB bandwidth down to approximately one-half the
sampling rate can be used before serious degradation of rms error occurs. For
presampling filter bandwidths below one-half the sampling rate the degradation
increases rapidly.

Analysis    The model for a sampled data system employing lumpedparameter filters for
interpolating is shown in Figure 10. These systems quite often use a presampling filter
for filtering the data prior to the sampling operation. This filter is indicated in Figure 10
as having an impulse response hp(t). The output of this filter is then sampled at a periodic
rate, 1/Ts. The sampling operation can be represented as impulsive when the sample
width is quite narrow but more often than not the sample value is fed to a “hold” circuit
resulting in 100% duty cycle samples (pulse-stretching). Consequently the inputs to the
postsampling filter (often called the interpolation filter) are 100% duty cycle pulses
whose areas are proportional to the corresponding samples. For convenience in the
mathematical analysis the sampling operation is considered impulsive and the effect of
pulse-stretching is taken into account by an aperture filter which is combined with the
interpolation filter and the combination labeled the “postsampling filter” in Figure 10.
This postsampling filter has impulse response ho(t) obtained by convolving the impulse
responses of the aperture filter and the interpolation filter. An arbitrary time delay, Td, is
also allowed in Figure 10 to offset the effect of time delays encountered in the filters.
The interpolation error is indicated as ,(t).

The problem then is to analyze the mean-square error of this typical system in terms of
the sampling rate and filter parameters. This analysis has been carried out entirely in the
time domain* and has yielded expressions which are quite general in that they allow
evaluation of the rms error taking into account presampling filtering, pulse-stretching,



** For those interested a detailed derivation is contained in “A Different Approach to
Interpolation Error in Sampled Data Systems”, by R. C. Davis, Radiation Incorporated Technical
Report No. 24, Radiation Incorporated, Palm Bay, Florida; February 26, 1968. 

interpolation filtering, and an arbitrary time delay. Unlike many approaches no
assumption is made nor necessary that the phase characteristics of the filters have been
compensated to give constant time delay across the passbands. If a filter is specified as
an nth order Butterworth filter then it has the phase characteristic of an nth order
Butterworth filter and any phase distortion as well as amplitude distortion of the data
waveform inherent with such a filter is reflected in the rms error evaluated from the
expressions.

This analysis is quite long and tedious so only the resulting expressions are included
here.** The normalized (with respect to data power) mean integral- squared error
obtained can be separated into three terms





The parameters in the equations are:

Td =  time delay
Th =  duration of hold, 0 < Th < Ts. For 100% pulse-stretching, Th = Ts.
Ts =  sampling period
Ko =  interpolation filter gain
Kp =  presampling filter gain
To =  interpolation filter “bandwidth”
Tp =  presampling filter “bandwidth”
am =  residues at left half plane poles of data spectral power density
bn =  residues at poles of presampling filter
ck =  residues at poles of interpolation filter
"m =  left half plane poles of data spectral power density
-$n =  poles of presampling filter
(k =  poles of interpolation filter
M =  number of left half plane poles in data spectral power density
N =  number of poles in presampling filter
K =  number of poles in interpolation filter

The summations are finite sums over the respective poles and the poles and residues are
complex quantities in general. Once the pole and zero locations, the pulse- stretching
time Th, the time delay Td, and the sampling period Ts are all specified, it is only a matter
of evaluating the finite multiple sums to determine the mean integral-squared error from
these expressions. To do this by hand would indeed be a difficult task for even the
simplest filters but a computer is very much suited to such a task. For this reason a
FORTRAN language computer program was generated and used to evaluate the
expressions for various combinations of filters and data spectra.

A typical set of curves obtained with the computer program is shown in Figure 11. These
curves are for data with a third order Butterworth shaped spectrum, a first order
interpolation filter (simple RC filter) and no presampling filter. The parameter To/Ti is
the ratio of interpolation filter 3 dB frequency to data 3 dB frequency. The parameter
Th/Ts is the ratio of sample duration to sampling period. If 100% pulse- stretching is
employed (which is usually the case), Th/Ts = 1.0. The curves for Th/ Ts = 0.01
approximate the ca se of impul se sample s being f ed to the interpolation filter. It can be
seen that the error performance of the sampled data system is significantly modified by
the pulse-stretching operation.
 

















ERRORS RESULTING FROM CHANNEL FILTERS AND
ADJACENT CHANNEL CROSSTALK IN DSB/SC TELEMETRY

SYSTEMS
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Summary    The  waveform distortion resulting from adjacent channel crosstalk and
from amplitude and phase nonlinearity in channel filters limits the minimum channel
spacing, and hence the bandwidth utilization efficiency of a double sideband/suppressed
carrier (DSB/SC) telemetry link. The paper presents results of an analysis defining the
minimum achievable mean-square error when Butterworth filters are used in the DSB
demodulator/demultiplexer. With data inputs consisting of band-limited random signals,
solutions are given for various combinations of data order, filter order, channel spacing,
and filter cut-off. The trade-off between waveform distortion and channel spacing is
illustrated, and optimum locations for the filter cut-off are defined. The irremovable error
based on Weiner optimum filter theory is presented as an interesting basis for
comparison.

Introduction    The search for efficient transmission techniques for wideband data such
as shock, vibration, and acoustical measurements has directed attention to frequency
division arrangements of AM suppressed carrier subcarriers. Single sideband/suppressed
carrier (SSB/SC) techniques have been widely used in several large space vehicle
programs since 1962.1 More recently, use of the DSB/SC technique has been proposed
for applications where the practical limitations of SSB/SC offset its advantage in
bandwidth efficiency.

Two essential attributes of a transmission link used for wideband data are radio
frequency (RF) signal-to-noise (SIN) performance and RF bandwidth efficiency. With
FM carrier modulation, both are very sensitive to the spacing of channels in the
frequency baseband, and each is improved by packing the channels more closely
together.

Although waveform fidelity is not a stringent requirement for many wideband data
applications, it is an important attribute for measurements such as shock. Good



waveform fidelity involves attention not only to noise originating from RF sources,
intermodulation, and crosstalk, but also to distortion resulting from amplitude and phase
nonlinearities in channel filters. The channel filters associated with the
demodulator/demultiplexer should eliminate as much of the adjacent channel signals as
possible, while committing minimum distortion on the channel signal of interest. This
involves careful selection of filter order and cut-off frequency.

In principle, errors resulting from crosstalk and channel filters can be made negligible by
increasing channel spacing; but this alternative leads to degradation in RF bandwidth
utilization and S/N performance. Therefore the system user must seek a suitable
compromise between these sources of error and the RF link errors to achieve optimum
performance. This paper presents an analysis of the waveform distortion arising from
adjacent channel crosstalk and channel filter errors in a DSB/SC link where the channel
filters are the familiar Butterworth type. The results are presented in a form which
defines the optimum selection of filter parameters for a specified channel spacing and
identifies the trade-off relation between signal distortion and channel spacing.

System Description    The simplified block diagram in Figure i shows the data now path
and identifies the individual elements of a DSB/SC transmission link. The data channel
of a typical ground system includes the channel demodulator and, depending on the
method of implementation, either one or two channel filters. If sinusoidal reference
carriers and ideal product demodulators are used, channel separation can be
accomplished with only a lowpass filter following the demodulator output. In practice,
however, a bandpass filter is sometimes needed at the demodulator input for proper
operation. In either case, for the purpose of analysis, channel filtering can be represented
by an equivalent lowpass filter following the demodulator output.

Since the magnitude of errors resulting from channel filters depends on characteristics of
the input signal, it is difficult to correlate results, using a simple test signal such as a
single sinusoid, to performance with actual data signals. Therefore, a band-limited
random signal with uniform spectral density was selected to simulate the input data. As
shown in Figure 2(a) the single-sided spectrum of the signal is defined as flat from dc to
fo and attenuated at a rate of 6m db/octave above fo. All channel signals are assumed to
be identical in spectral shape, to occupy equal bandwidths, and to be equally spaced in
the baseband.

The signal at the output of the telemetry channel, shown in Figure 2(b) , is assumed to be
a perfect DSB/SC image of the input signal s(t) together with equally spaced images of
adjacent channels. Hence the analysis does not consider distortion caused by channel
filters at the transmitter or errors arising from RF and intermodulation noise. The
demodulation reference carrier phase is assumed identical with that of the carrier at the 



modulator, so that the two sidebands add directly. Thus the product modulation and
demodulation are reversing operations on the signal s(t).

The signal si(t) , which results from the second product operation in Figure 1, consists of
s(t) plus superimposed images of the two adjacent channels centered about a frequency
equal to the channel spacing. The one-sided spectrum of si(t) is shown in Figure 2(c) .
Note that the adjacent channel signals have a spectral amplitude less than the signal of
interest by a factor of %2. This results because the sidebands of the DSB subcarriers add
directly while the two adjacent channels (assumed noncoherent) add rms-wise.

Error Calculations    A meaningful evaluation of a systems performance requires that a
criterion be established for judging its merits or comparing it with other systems.
Although a criterion based on S/N ratio or dynamic range presents a useful measure of
performance for certain types of analyses, it is not suitable for the measurement of
waveform distortion because it neglects errors caused by nonideal amplitude and phase
characteristics of the channel filters.

A realistic and useful representation for these errors is the mean of the squared difference
between the output signal so(t) and s(t -"), which is the input signal delayed by the
constant time a that minimizes the mean-square difference. This so-called mean-square
error criterion 3 provides results that may be readily summed with mean-square errors
from other sources to produce overall system error.

A mathematical model for the analysis is shown in Figure 3. The input signal s(t) is
summed with n(t), the translated and superimposed images of the two adjacent channels,
to form si(t) with spectrum indicated in Figure 2(c). This signal is passed through a filter
with characteristics H(T) which is the equivalent of the demodulator output lowpass
filter in series with the input bandpass filter (if used) translated to zero frequency. The
result is then compared with s (t - ") , the delayed replica of the input signal; the
difference represents the instantaneous system error.

In accordance with the model depicted in Figure 3, signal distortion introduced into the
data channel is classified as either adjacent channel crosstalk error or channel filter error.
Crosstalk error occurs because portions of the translated adjacent channel spectra are
passed by the channel filter. Channel filter error results from distortion of the data signal
caused by nonideal amplitude and phase characteristics of the channel filter.

To obtain an expression for crosstalk error, we multiply the power density spectrum of
n(t) by *H(T)*2 and integrate over all frequencies. The phase of the interfering
components may be neglected since they are uncorrelated with the desired signal. 



Expressed in closed form with H(T) corresponding to the familiar Butterworth filter
function, this gives for the mean-square error resulting from adjacent channel crosstalk,

(1)

where
z =  f/fco

fo =  data cut-off frequency
fco =  filter cut-off frequency
m =  data order
n =  filter order
$s =  channel separation factor

The amplitude response characteristic of the filter is down 3 db at the cut-off frequency
fco and is attenuated at a rate of 6n db/octave outside the passband. The channel
separation factor $s is equal to the channel spacing divided by the data cut-off frequency.

To determine the channel filter error, the random input signal s(t) is represented as an
infinite sum of sinusoids spaced equally in frequency and having relative magnitudes
corresponding to the envelope of the voltage spectrum.4 This produces the following
expression for mean-square error caused by channel filters:

where
x =  f/fco

A(x) =  amplitude characteristic of the channel filter
N(x) =  phase characteristic of the channel filter
"o =  time delay factor



Equations (1) and (2) as shown are normalized to the mean-square value of the input
signal s(t). Since the two error waveforms are uncorrelated, their mean-square values
may be surnmed to give the total mean-square error,

(3)

Using a digital computer, solutions to Equations (1) and (2) were obtained for various
combinations of the variables:  fco/fo, m, n, and $s. Using reiteration procedures, a value
was selected for the time delay factor "o to minimize the mean-square error, thereby
assuring a true representation of waveform distortion. 5

Results    Figure 4 shows how crosstalk error, filter error, and total waveform distortion
varies with filter cut-off frequency for a specific choice of data order, filter order, and
channel spacing. Note that crosstalk error Fct rises steadily as the filter cut-off frequency
is increased while filter error Ff has the reverse relationship. The curve for Fe, the total
waveform distortion obtained by rms summation of Fct and Ff, clearly identifies an
optimum ratio between the filter and data cut-off frequencies. For the parameters
depicted in Figure 4 (m = 3, n = 6, $s = 4) , we see that a filter with cut-off frequency
slightly less than 2 times the data cut-off frequency provides minimum distortion.

The values for rms error shown on the graphs are normalized to rms values of the input
signal. To obtain rms error normalized to peak-to-peak signal which is sometimes
preferred, one should divide the ordinate values by two times the crest factor (peak/rms
ratio) of the input signal. For example, if we assume a crest factor of 3 as is often used
for vibration data, the ordinate values would be divided by 6.

Figures 5, 6, and 7 depict families of curves similar to Figure 4 where each curve
represents a specific value for the channel separation factor $s. From these curves the
minimum achievable distortion for each selection of $s and the filter cut-off frequency
necessary to achieve this minimum is readily identified. One should notice that the
selection of filter cut-off frequency becomes more critical as channel spacing is
decreased. The three figures illustrate results for data order m equal to 2, 3, and 6,
respectively. In each case the filter order n = 6 was used, a selection which may be
justified from the next set of curves.

Figures 8, 9, and 10 illustrate the trade-off between error, channel spacing, and filter
order. Here each point is plotted using the ratio of fco/fo that yields minimum distortion,
thus providing a convenient form for determining $s for a specified rms error. Although
error decreases with higher filter order, it is apparent that negligible improvement results
for n greater than 6.



Irremovable Error    The dashed curves shown in Figures 8, 9, and 10 represent the
waveform distortion resulting from a system implemented with an optimum infinite lag
filter. If we apply Parseval’s theorem to the expression for the minimum mean-square
error of an optimum system and use the property of zero covariance between channels,
the irremovable error is given by6

(4)

where

Mmm(T) =  power density spectrum of the input data signal
Mnn(T) =  power density spectrum of the adjacent channel signals
Fd =  rms value of the input data signal

The irremovable error represents a lower bound on system distortion and thus presents
an interesting basis for comparison.

Experimental Results    Channel filter distortion resulting from the nonlinear amplitude
and phase characteristics of a sixth-order Butterworth filter was measured using shaped
random noise to simulate third and sixth-order data signals. As shown in Figure 10, the
measured values agree very closely with the corresponding calculated values of Ff.

Conclusions    Optimum performance from a DSB/SC transmission link, where the
criterion is minimum mean-square error, requires careful selection of channel
spacing/data bandwidth ratio and channel filter cut-off frequency. A logical design
choice for most applications should be to make the filter and crosstalk error
approximately equal to the expected error originating from RF and intermodulation
noise. Although filters other than the Butterworth design used in this analysis may give
better results, the relationship shown in Figures 8, 9, and 10 between the curve for n = 6
and the dashed curves representing the performance of an optimum infinite lag filter
indicates that one should not expect phenomenal improvement from other filter designs.
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Figure 11 - Channel Filter Distortion for Sixth-Order Filtering
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Summary    A novel FDM telemetry technique was developed consisting of a double
sideband-quadrature carrier multiplexing system (DSB-QCM). Each subchannel in the
DSB-QCM system carries two completely overlapping DSB data signals, one double-
sideband modulated on the subcarrier itself, and the other on a quadrature version of the
subcarrier. Demodulation with cophasal and quadrature subcarriers enables simultaneous
data extraction from each channel within acceptable distortion levels. The feasibility and
practicability of such a DSB-QCM telemetry system is discussed in this paper. Crosstalk
levels between the quadrature multiplexed channels were measured and guardband
requirements between adjacent channels were assessed for a modem comprised of three
pairs of DSB-QCM channels. Crosstalk levels between uniformly loaded DSB -QCM
channels were below 2% and guardband requirements equivalent to conventional DSB
systems were observed. The DSB-QCM performance was also examined as a function of
input SNR with two competing subcarrier synchronization methods. Subcarrier
synchronization by means of synthesized reference tones coherently derived from a
single pilot was demonstrated to be superior in The presence of noise to a channel
reference approach in which each data channel must synchronize its own subcarrier. The
major conclusion from this investigation is that DSB-QCM/FM telemetry combines the
advantages of both SSB/FM and DSB/FM by accommodating as many data channels as
SSB/FM but with low distortion data processing and the dc data response characteristic
of DSB/FM.

Introduction    Efficient utilization of available bandwidth and low-distortion data
processing are fundamental objectives in the evolution of improved frequency division
multiplex (FDM) techniques meeting the demands of high data-density, high data-quality
telemetry systems. A novel multiplexing technique is described having the advantages of
both DSB/FM and SSB/FM telemetry systems but without their corresponding
disadvantages. The technique, called double sideband-quadrature carrier multiplexing
(DSB-QCM), operates as follows: each subchannel carries two data signals, one double
sideband modulated on the subcarrier itself, and the other on a quadrature version of the



subcarrier. Thus the same degree of bandwidth utilization efficiency is achieved as with
SSB/FM, but with low data distortion and the dc response characteristic of DSB/FM.

Description of DSB-QCM Operation    A simplified diagram of a single DSB-QCM
modulator-demodulator channel is shown in Fig. 1. The various data signals are
arbitrarily paired with signals of similar spectral properties and each signal is double
sideband modulated onto subcarriers 90E apart in phase. Let the two data signals in a
DSB-QCM pair be represented as dic(t) and diq(t), where the subscript integer i designates
the channel number and the subscripts c and q identify the data modulated on the
cophasal and quadrature channel, respectively. An arbitrary subcarrier signal is chosen,
which can be represented as cos Tit. Now, cos Tit is modulated by dic(t) in a balanced
modulator and, cos Tit shifted by 90E, is modulated in a similar manner by diq(t). The
double sideband modulated signals are added, then filtered to remove the spectral region
centered around 2 Ti. The resulting double sideband-quadrature carrier multiplexed
(DSB-QCM) signal can be written as

All other subcarrier signals are similarly modulated and summed to yield

where G(t) is the composite FDM baseband signal and N is the total number of data
channels normally accommodated in conventional DSB systems. Figure 2 shows a
representative data signal spectrum and the composite G(t) spectrum made up of
cophasal and quadrature parts. Two data channels occupy overlapping spectral regions
and hence 2N DSB data channels are frequency (and phase) division multiplexed. The
spectrum of G(t) contains the same number of data channels as a SSB multiplexed
baseband accommodating data with similar spectral characteristics.

If B is the one-sided bandwidth of each data signal, the spectrum of GM will not contain
any subchannel overlap between adjacent QCM channels if the spacing between the
subcarriers is slightly greater than 2B. The composite modulating signal, defined as M(t),
is made up of G(t), plus the pilot reference tone, at an rms level of Ep, from which all
subcarriers are derived. The composite baseband signal , M(t) is then applied to a



standard FM transmitter whose design requirements are consistent with the FM
transmitter accommodating other telemetry baseband signals.

The DSB-QCM/FM signal is received by a conventional FM telemetry receiver. After
discrimination or phase-lock detection in the FM demodulator portion of the receiver, the
pilot reference tone is extracted and the various subcarriers are coherently synthesized
and fed to the subchannel demodulators. Each DSB-QCM pair is product demodulated
separately with the appropriate referenced subcarriers 90E apart in phase. The two
separate demodulator outputs are lowpass filtered to recover the data signals dic(t) and
diq(t). It is interesting to note that predetection channel selective filtering is not required
at the demodulator although some bandpass filtering may be used. The lowpass
postdetection filtering provides the required subchannel selectivity.

Main concern in the demodulation operations is the extraction of each data message with
minimum crosstalk between the overlapping quadrature multiplexed data signals. Let the
subcarrier oscillator voltage at the

The amount of crosstalk in the demodulator output depends on the phase error between 
Nosc and the phase shift, Nsi, on the input subcarrier. The small nonzero error,
N, = Nosc - Nsi , is a random fluctuation due to tape recorder flutter or noise. The PLL
controlled local oscillator signal multiplies G(t) to produce in the lowpass filtered output
of each demodulator channel of Fig. 1

and

Thus, the crosstalk between the pair of QCM channels is directly proportional to the
phase error, for N, << 1 radian. If we assume a high signal-to-noise ratio in the closed
loop bandwidth of the PLL which controls the subcarrier phase then the rms value of the
phase error is approximately



for (Sp/NcR) > 10 dB. The tone power in this expression, Sp is proportional to the strength
of the reference tone transmitted with the baseband signal, i.e., Sp % E2

p. The noise in this
expression is proportional to the noise power measured in the closed loop bandwidth of
the PLL which isolates the pilot reference tone from which the subcarriers are
synthesized. This noise is due to tape recorder flutter or additive noise in the case of an
RF input signal level near threshold.

The ratio of crosstalk power to the data signal power between any pair of quadrature
multiplexed channels is given approximately by

Note that the crosstalk to signal power ratio is dependent upon t e re a ive power ratio of
the data signals in each channel and the signal to noise ratio in the subcarrier PLL. For the
case where the channel loading is such that the power levels of the data in paired channels
are essentially equivalent, then, the crosstalk ratio depends mainly upon the subcarrier
SNR given by ½(Sp/NcR). The subcarrier SNR depends upon several factors some of which
are within the control of the designer. By assigning sufficient power, Sp, to the transmitted
reference tone, the crosstalk ratio can be reduced. However, an increase in power level
assigned to the reference tone reduces the power allocated to the data channels for a given
constraint on total rms level, typical of deviation constrained FM telemetry systems.

The crosstalk power can also be minimized by narrowing the closed loop noise bandwidth
of the phase-locked loop. However, a minimum bandwidth is usually dictated by other
factors not under the control of the designer such as tape recorder flutter, doppler effects
and stability considerations. These factors dictate wider PLL bandwidths than would
otherwise be necessary, and, as a result, Sp/NcR is determined accordingly.

Implementation of a DSB-QCM Test Modem    A DSB-QCM modulator-demodulator
(modem) was implemented to demonstrate the feasibility of the quadrature multiplex
technique. The test modem appears in Fig. 3 with the corresponding block diagram in
Fig. 4. Provisions for operation as a conventional DSB system were included in order to
facilitate comparison measurements between DSB-QCM and DSB systems. The
implementation of the DSB-QCM system also included provisions for two different
subcarrier synchronization modes. The first, identified as the channel reference tone
(CRT) sync mode, requires transmission of reference tones in each subchannel. Individual
phase-locked loops derive phase information from the reference tones to synchronize the
subcarriers. The second sync mode, identified as the synthesized reference tone (SRT)
sync mode, requires transmission of a single pilot tone. A phase-locked loop at the



demodulator locks to the pilot tone and synchronizes a local oscillator from which all
subcarriers are coherently synthesized and delivered to the respective subchannel
demodulators in the proper phase. With either sync mode, provisions are also usually
included to resolve data polarity ambiguities at the demodulator resulting from frequency
division operations in deriving subcarriers. This requires transmission of a master
reference tone in addition to the pilot or channel reference tones.

The DSB-QCM test modem is comprised of six independent telemetry data channels
multiplexed on quadrature versions of three adjacent subchannel carrier frequencies of
40 kHz, 48 kHz, and 56 kHz, respectively. The bandwidth of all subchannels was 2.5 kHz
as determined by the modulator input and demodulator output lowpass filters. The channel
reference tone frequency (used only when operated in the CRT sync mode) was 3 kHz for
all channels. A master reference tone was also transmitted (in both sync modes) at 3 kHz
as part of the baseband. When operated in the SRT sync mode a pilot tone was also
transmitted at 192 kHz.

Accommodations for varying the subcarrier frequencies of the 40 kHz and 56 kHz
subcarriers were included in the implementation to facilitate the variable guardspace
measurements. These tests were conducted for both the CRT and the SRT sync mode with
provisions for injecting an external subcarrier signal at the modulator for the variable
frequency guardspace tests. The modem design allowed for overlap among all three DSB-
QCM channels as well as separations of the channels by as much as 12 kHz spacing
between the subcarriers.

Automatic gain control provisions were implemented with the modem. An AGC circuit in
the modulator regulated the average level of the composite baseband signal by means of
incoherent AGC. The demodulator contained two coherent AGC circuits; a baseband
preregulator and a channel regulator. The baseband preregulator derived AGC control
coherently from the 3 kHz master reference tone which was transmitted in both sync
modes of operation. The channel regulator was operational only in the CRT sync mode. In
this mode AGC control was derived from the channel reference tones thus ensuring gain
standardization for each channel. As determined in subsequent measurements, the master
pilot regulator, by itself, was sufficient for maintaining level calibration in the
demodulator for both sync modes of operation.

Spurious-free modulator and demodulator multiplier circuits were designed. These circuits
were driven at low signal levels to ensure the required linearity. Reduction of the spurious
output level from the modulator multiplier relaxed channel bandpass filter requirements.
Consequently, channel bandpass filters consisting of two pole networks with an overall
3 dB bandwidth of 15 kHz provided adequate selectivity for the system. The alignment of
these filters was crucial to minimizing crosstalk between the pair of quadrature
multiplexed DSB signals modulated on the same subcarrier.



The phase-locked loop circuits in the demodulators were straightforward in design. The
closed loop noise bandwidth of the phase-locked loop was approximately 100 Hz as
determined by a simple second-order closed loop response. The subcarrier PLL’s in the
CRT mode consisted of a double-loop design to extract subcarrier information from the
3 kHz sidebands transmitted in only one of the DSB-QCM channels. Provisions were not
included in this modem for resolving phase ambiguities resulting from frequency division
in the demodulator subcarrier circuitry. The phase ambiguity detail was not important for
the demonstration of feasibility.

DSB-QCM Performance    The performance of the DSB-QCM system was evaluated
with the test setup of Fig. 5. The dependent variable in the tests was the total attendant
distortion, expressed as SNR, which accompanied the tone in the output of a demodulator
channel. The output SNR of the tone modulation was measured as a function of several
independent variables such as signal-to-noise ratio (SNR) at baseband, SNR at RF,
guardspace separation, channel loading and modulation. The test objectives were to
determine: the levels of crosstalk between the various multiplexed channels attributable to
the quadrature carrier multiplex mode of operation, the guardspace requirements for DSB-
QCM data multiplexing, and to compare performance of the DSB-QCM to other telemetry
multiplex systems, viz., conventional DSB.

All performance tests were made with the cophasal channels loaded with independent
noise sources and each quadrature channel loaded with a tone in the 0 to 2.5 kHz region.
Incommensurate frequencies were chosen for the various tone modulations. Tests were
conducted first on a single DSB-QCM channel, i.e., a pair of quadrature DSB channels,
followed by measurements on three DSB-QCM channels. Performance of the DSBQCM
was evaluated with operation in two modes of subcarrier synchronization, the channel
reference tone (CRT mode), and the synthesized reference mode (SRT mode).

Crosstalk Measurements    The curves of Figs. 6, 7 and 8 are spectral density plots of the
demodulated DSB-QCM output channels as plotted with a low frequency spectrum
analyzer. The channel loading consisted of noise in the cophasal channel with a sinusoidal
tone in the quadrature channel. The spectrum analyzer bandwidth for these tests was
approximately 10 Hz wide with a frequency response having the shape of the main spike
in Fig. 6. The spectral density curve of Fig. 6 was plotted for the system with the
preregulator AGC disconnected and without any channel bandpass filtering in the
modulator in order to reduce the noise floor in the tone channel as much as possible. This
was desirable in order to detect harmonic distortion effects and other discrete frequency
anomalies such as subharmonics of the channel reference tone. The system was operated
in the channel reference tone subcarrier sync mode for these tests since the channel
reference tone on the edge of the data skirts constitutes a more stringent test condition
than if the system were operated in the synchronized reference tone mode.



The plot of Fig. 6 shows the 220 Hz data tone in the output at the 0 dB reference level.
The total noise power in the cophasal channel was made equal to the power level of the
tone in the quadrature channel. The noise floor in the quadrature channel output was
69 dB below the tone as measured in a 10 Hz bandwidth. The spectral density level of the
noise corresponds to a total output noise level 45 dB below the tone level as measured
with a power meter in the LPF output. This was the best achievable crosstalk performance
for the DSB-QCM system.

The second harmonic of the 220 Hz data tone is evident at the frequency of 440 Hz which
is 61 dB below the fundamental tone. Some of this harmonic distortion was attributed to
the oscillator which provided the tone. The low level harmonic distortion was indicative
of the good linearity in the modulator and demodulator multiplier circuits.

The spikes at 1050 Hz and 630 Hz were identified as third and fifth subharmonics of the
3 kHz channel reference tone which was modulated on the cophasal carrier. This was
confirmed by moving the channel reference tone slightly and observing corresponding
shifts in the frequency location of the subharmonics of the reference tone.

The power spectral density of the quadrature tone channel was replotted with all AGC
circuits operative and with the modulator subchannel bandpass filters included. The test
was conducted with the system in the CRT sync mode and the test results appear in Fig. 7.
The effect of the AGC and bandpass filters raises the noise floor, in the region below
500 Hz, to a level of -51 dB below the power in the tone. The elevated noise floor
explains why the residual levels of crosstalk were higher when AGC and bandpass filters
were included. The total power level of the crosstalk, as measured in a lowpass filter
bandwidth of 2.5 kHz, was approximately -35 dB below the tone level. This level
constitutes an upper bound for the system with regard to crosstalk SNR. The principal
factor affecting the crosstalk was the AGC which produced noise sidebands in the vicinity
of the tone frequency. The mechanism generating these sidebands was amplitude
modulation of the 220 Hz tone by the low frequency noise in the cophasal channel. Other
factors contributing to an increase in crosstalk level were related to the alignment of the
channel bandpass filter in the modulator.

The power spectral density of the corresponding noise-loaded cophasal channel is plotted
in Fig. 8. The noise spectral density in this channel, as measured in a 10 Hz analyzer
bandwidth, averages about the -24 dB level. The total noise power in the 2.5 kHz lowpass
bandwidth is thus at the 0 dB level equal to the tone power level in the quadrature
channel. It may be noted that crosstalk and harmonics due to the 220 Hz tone in the
quadrature channel are sufficiently below the level of noise in the cophasal channel and
were not detectable.



The spike on the skirt of the cophasal noise power spectral density plot is the channel
reference tone at 3 kHz which is transmitted with the cophasal channel. This tone is not
transmitted in the quadrature channel which explains for its absence in the curves of Figs.
6 and 7.

Low Frequency Intermodulation    Intermodulation between the DSB-QCM channels
was measured with a 1 kHz tone in the quadrature channel and a variable low frequency
tone in the cophasal channel. The intermodulation appeared in the form of low frequency
amplitude modulation on the 1 kHz tone in the quadrature channel. The dependence of
this intermodulation upon the frequency of the variable tone is illustrated in Fig. 9 which
plots the intermodulation sideband level, referred to the level of the I kHz tone vs the rate
of the low frequency tone modulation in the cophasal channel. For tone frequencies
100 Hz and above, the intermodulation SNR is constant at 39 dB but dips to a minimum
of 27 dB for tone frequencies of 1 Hz in the cophasal channel. The mechanism causing the
increased intermodulation was attributed to the AGC amplifier which regulates the level
of the composite signal of all channels in the modulator. Additional sources of low
frequency intermodulation were the channel AGC amplifier in the demodulator, controlled
in accordance with the level of the received channel reference tone. The AGC cut-off
regions fall below 100 Hz and consequently the AGC responds to the low frequency
modulation in the cophasal channel. The effect is that the AGC acts as an amplitude
modulator which modulates the quadrature channel data with the low frequency cophasal
data and vice versa.

The measurements indicate that the low frequency AGC limitations can affect
transmission of good quality low frequency DSB-QCM data. The AGC in DSB-QCM
systems must be designed, therefore, to prevent the low frequency intermodulation effects,
but, must still be fast enough to allow the system to respond to relatively rapid changes in
data characteristics and channel loading.

Baseband Noise Tests    The results of baseband noise tests on the three channel DSB-
QCM modem are shown in Fig. 10. Comparison of the DSB-QCM is also made with
operation as a conventional DSB system. Noise performance was measured for each
system with subcarrier synchronization provided by both the synthesized reference tone
(SRT mode) and the channel reference tone (CRT mode). In all tests output SNR was
measured for the tone modulation with the orthogonal channel in the DSB-QCM mode
loaded with white noise. Output SNR was measured with a distortion analyzer (HP 330B)
and therefore the effect of residual system distortion results in an upper bound in output
SNR for high input SNR on all of the curves. Additive noise dominates the output SNR,
however, for the lower input SNR, thus permitting evaluation of system noise
performance. The input SNR indicated on the curve corresponds to the SNR at the input to
the channel being monitored and is measured in a bandpass filter centered on the 



subcarrier and having a noise bandwidth equal to twice the lowpass filter bandwidth in the
output of the demodulator.

The SNR output of the center channel is plotted in each curve with the two outboard
adjacent channel subcarriers spaced 8 kHz apart. The bandwidth of all data channels was
nominally 3 kHz resulting in a DSB subchannel bandwidth of 6 kHz. The outboard
channels were loaded with independent noise sources for DSB operation and with noise
and tones for DSB-QCM operation. The spectral density of the additive baseband noise
was flat over the channel frequency regions and out beyond the frequency region occupied
by the pilot reference tone in the SRT mode.

The noise performance of the modem operating as a conventional DSB and a DSB-QCM
system is illustrated in Fig. 10 by curves A and B, respectively. Subcarrier sync for each
mode was provided by the synthesized reference tone sync circuits. For input SNR greater
than +40 dB, the output SNR for the DSB channel is +40 dB corresponding to a total
distortion level of 1%. The corresponding SNR output for the DSB-QCM channel is
+36 dB or a total residual distortion level of less than 2%. The increase in distortion in the
DSB-QCM system is indicative of the crosstalk effects between the quadrature
multiplexed channels. Further minimization of this crosstalk level is possible with
improved AGC design and careful filter alignment but was not attempted in these tests.

Curves A and B merge together for input SNR below +30 dB. In this region the input
additive noise dominates the output SNR. The input and output SNR are related in a one-
to-one manner on this portion of the curves because of the linear detection process in
demodulating DSB subcarriers. The curves, however, show a 3 dB input-to-output
improvement in SNR, wherein, an input SNR of +20 dB results in an output SNR of
+23 dB. This, of course, is characteristic of the 3 dB SNR gain in detecting DSB
modulation. The realization of the 3 dB SNR gain in the DSBQCM mode indicates that
the phase noise jitter in the subcarrier reference synthesizer PLL circuitry is negligible.
Consequently the subcarrier phase noise does not contribute to an increase in crosstalk
level from the orthogonal channel through the mechanism of detection with a reference
subcarrier having a random phase fluctuation about true quadrature.

The SRT PLL lost lock in both the DSB and DSB-QCM multiplex modes for input SNR
of -3 dB as measured in the data channel bandwidth. This threshold is dependent upon
channel loading to some extent because the modulator AGC regulates the rms level of the
composite baseband output of the modulator. Thus with more channels present less power
is allocated to the pilot reference and the threshold should thus be raised slightly.
However, slight changes in channel loading by removal of one channel, as was the case
when reverting from DSB-QCM to DSB operation, caused only a slight change in pilot
reference level. The threshold of the SRT PLL, thus, did not diff-er appreciably between
DSB-QCM and DSB operation.



The performance of the DSB and the corresponding DSB-QCM system for the case in
which subcarrier reference phases were established by the channel reference tones is
illustrated by curves C and D of Fig. 10. In the DSB mode, the increase in distortion level
in curve C, compared with the corresponding level in curve A, is attributable to the
presence of the channel reference tone in the DSB data. The measurement in the DSB-
QCM mode, however, was made on the orthogonal channel which did not contain the
channel reference tone. The increase in distortion level in the DSB-QCM is attributable
primarily to the increase in crosstalk due to the orthogonal noise loaded channel. It may be
noted that the crosstalk for the DSB-QCM in the CRT mode is also approximately 2 dB
worse than the DSB-QCM in the SRT mode. The difference was related to the channel
bandpass filter alignment, which, in the CRT mode, has a greater effect upon crosstalk
levels between the channels than in the SRT mode of operation. The reason for this is that
in the CRT mode, the filter alignment must be symmetrical over the data bandwidth as
well as on the skirts in the vicinity of the channel reference tone sideband frequencies.
Departure from symmetry at the frequency of the channel reference sidebands precludes
synchronization of the subcarrier reference in the proper phase for quadrature detection of
the orthogonal DSB channels. Aligning the channel bandpass filters in the CRT mode was
far more critical than in the SRT mode and therefore it was more difficult to minimize
crosstalk from this source. The 34 dB level in the output SNR for the DSB-QCM in the
CRT mode was a lower bound measured for this system. Circuit optimization and more
careful filter alignment should lead to improvements approaching the 40 dB level.

In the region below input SNR of +30 dB the output SNR for the DSB-QCM in the CRT
mode did not show the 3 dB SNR improvement characteristic of DSB detection as shown
for the other three curves. In this region an input SNR of +20 dB resulted in an output
SNR of +20 dB. The 3 dB degradation in output SNR relative to conventional DSB
performance was attributable to the increased level of crosstalk between the orthogonal
channels. The increase in crosstalk in this mode is due to the phase noise jitter in the
subcarrier reference derived from the channel reference tones. The increased phase jitter
level is a result of a poorer SNR for the channel reference tones. These tones are
transmitted at a level 20 dB below the data (or 23 dB below the pilot reference tone in the
SRT mode) and are used for synchronization purposes both with and without data loading.
The resulting SNR of the channel reference tones, as measured in the closed loop
bandwidth of the CRT PLL (which is identical to the closed loop bandwith of the SRT
PLL), is impaired with a consequent increase in crosstalk level between the orthogonal
channels. By increasing the channel reference tone level or narrowing the CRT PLL
bandwidth, corresponding reductions were observed in crosstalk level between the
channels.

The threshold of the DSB-QCM system operating in the CRT sync mode occurred for an
input SNR of +9 dB. The threshold occurred at higher input SNR relative to the SRT
mode because of the reduced level of the channel reference tone.



RF Noise Tests    The performance of the modem in a DSB-QCM/FM system was
evaluated in the presence of RF noise. In this test the DSBQCM modulator output served
as a baseband modulation signal for an FM signal generator at 10 MHz. Various levels of
noise were added to the FM signal at 10 MHz thus providing a range of SNR. The DSB-
QCM modulated FM signal and additive noise were then demodulated by a 10 MHz FM
demodulator. The IF bandwidth of the demodulator used for this test was 460 kHz and the
discriminator bandwidth was in excess of 1 MHz. The FM threshold for this demodulator
was measured using a sinusoidal(49 kHz) modulation with a deviation index of unity. This
corresponds to the nominal subcarrier frequency and deviation index used in the
subsequent constant deviation DSB-QCM/FM tests. The FM threshold occurred for a
carrier input SNR of approximately +9 dB. This was an important parameter in the tests
since all the data have a characteristic threshold break for input SNR of +9 dB.

Test results are presented in Fig. 11 for the DSB-QCM/FM system in the SRT sync mode.
For the purpose of this test the system was operated with all AGC circuits removed in
order to observe threshold effects more clearly without the obscuring effects of AGC.
Constant rms deviation of the carrier was maintained by an operator. Removal of the AGC
circuits led to corresponding improvements in output SNR. The results without AGC are
therefore representative of DSB-QCM system performance with an improved AGC
design.

The SNR output for a single DSB channel is plotted in curve A of Fig. 11. A theoretical
curve is plotted in curve B confirming the experimental results to within 1 dB. The
theoretical curve was plotted using the formula

where



The third test in the SRT sync mode was with a DSB-QCM channel in place of the single
DSB channel. The data levels were readjusted, along with the pilot tone, to produce the
specified rms deviation. The power in the DSB-QCM channel equals the power in the
pilot tone. However, the power in each channel of the DSB-QCM baseband is one-fourth
of the total available power as compared to one-third in the case of the single DSB
channel. As a result of the lower power allocation, the corresponding SNR in the DSB-
QCM is down approximately 1 dB below the level for the single DSB channel. This is
confirmed by curve C of Fig. 11 which shows the 1 dB dr’op. We conclude from these
curves that the FM channel did not cause an increase in crosstalk level between the DSB-
QCM data channels and therefore the DSB-QCM system would suffer no ill side effects
when incorporated into an FM system.

The threshold measured for the FM system occurred for an input SNR of +9 dB as shown
by the break in the curves. The SRT PLL lost lock for input SNR below 0 dB. Thus, the
threshold for this DSB-QCM/FM system is determined by the FM link, itself, and not by
DSB-QCM baseband limitations.

The fully loaded three-channel DSB-QCM modem was subjected to FM noise tests. In
these tests, an adjacent channel subcarrier spacing of 8 kHz was used. All AGC circuits
were operative and the deviation of the FM carrier was adjusted to 48 kHz corresponding
to a nominal deviation index of unity when referred to the 48 kHz center channel. Each
DSB-QCM channel consisted of a tone with noise in the orthogonal channel. The curves
of Fig. 12 plot SNR output vs FM carrier input SNR for the SRT sync mode.

The SNR performance of all three channels are within one dB of each other. The SRT
subcarrier PLL’s lost lock for input SNR of 0 dB which is below the FM threshold for the
system measured for an input SNR of +9 dB. We conclude from these threshold
observations that the subcarrier PLL threshold falls below the threshold of the FM link.
The residual levels of distortion, attributable to crosstalk, result in an output SNR of
+35 dB. Comparison with the curves obtained without AGC again indicate that the AGC
effects contribute to crosstalk in the DSB-QCM system.

Guardspace Tests    Tests were conducted on the DSB-QCM modem as a function of
subcarrier spacing in order to assess guardspace requirements for DSB-QCM telemetry
and to determine if DSB-QCM telemetry posed additional requirements on allowable
guardspace as compared with conventional DSB systems. The tests were conducted-by
operating the modulator and demodulator back-to-back. The subcarrier frequency
spacings of the two outboard channels were varied (symmetrically) and output SNR was
plotted for the center tone-loaded quadrature channel. The center cophasal channel was
loaded with noise. The outboard DSB-QCM channels were similarly loaded with tones
and noise.



Guardspace requirements should be determined by the characteristics of the data and the
channel filtering. The terminal-to-terminal shape of the channel filtering, for the case of
input data with a flat spectral density, has the shape of the spectral density curve of Fig. 8.
The filter characteristics serve as a reference in describing adjacent channel crosstalk
effects, and therefore, the lowpass attenuation characteristics of the channel filters are
superimposed on the curves of Figs. 13 and 14 for the center channel and for one of the
adjacent channels at a 6 kHz subcarrier spacing.

SRT Mode    Adjacent channel crosstalk effects for the DSB and DSB-QCM system are
shown in Fig. 13 with the system operating in the SRT mode. In this sync mode the
subcarrier synchronization PLL operates independently of the data channel. The distortion
varies monotonically with subcarrier separation in accordance with the channel filter
selectivity of the data lowpass filters in the modulator and demodulator. Overlap up to
1 kHz from both adjacent channels was possible for SNRo > 25 dB in the SRT sync mode.
The system was capable of operation at subcarrier spacings as low as 6 kHz with crosstalk
from adjacent channels determined by the lowpass output filters.

Comparison of the DSB with the DSB-QCM system shows that the crosstalk from
overlapping DSB-QCM channels exceeds, slightly, the crosstalk under similar conditions
for the DSB system. The relative data levels and filtering in each case were identical. The
reason for the increase in crosstalk distortion when the adjacent DSB-QCM channels were
overlapping is, because in the DSB-QCM mode, the effects of four adjacent channels were
observed as compared with only two in the DSB mode, hence, the relative crosstalk level
was higher. Other than the crosstalk effects due to more overlapping channels, the
guardspace requirements of the DSB-QCM system are essentially the same as those of the
corresponding DSB system. Finally, the SNR curves level off at the residual distortion
level of 37 dB in the DSB-QCM mode and 40 dB in the DSB mode. The difference in
distortion level for these regions is attributable to crosstalk between the overlapping
orthogonal DSB channels.

CRT Mode    The guardspace performance of the DSB-QCM and the DSB system in the
CRT sync mode is illustrated in Fig. 14. For subcarrier separations in excess of 7 kHz, the
adjacent channel crosstalk in the CRT mode is equivalent to the crosstalk measured for the
SRT mode of Fig. 13.

Crosstalk rises sharply on the curves for the CRT sync mode at 6 kHz subcarrier
separation for the DSB as well as for the DSB-QCM system. The crosstalk degradation for
this particular subcarrier spacing is caused by overlap between the channel reference tone
sidebands of adjacent channels. The subcarrier recovery loops track all signals within the
300 Hz pull-in range of the CRT PLD s. The subcarrier CRT PLL’s maintain phaselock,
therefore, except for the 300 Hz frequency band centered at 6 kHz. The effects of four 



rather than two overlapping adjacent channels causes a widening of this region in the
DSB-QCM mode compared to that observed for the conventional DSB system.

At subcarrier spacings less than 6 kHz, the CRT PLLI s reacquire and signal quality is
improved slightly with output SNR reaching a maximum of approximately 25 dB and then
rolling off monotonically as the overlap increases. Two effects are responsible for data
degradation at subcarrier spacings less than 5.3 kHz. The first effect is the adjacent
channel data in the channel reference tone PLL band, and, the second effect is the
presence of the adjacent channel reference tone in the data band. The first effect is mainly
responsible for the loss of CRT PLL lock for subcarrier spacings less than 5.3 kHz.

It can be concluded from the guardspace measurements that adjacent channel crosstalk
levels are less severe for DSB and for DSB-QCM systems when demodulator subcarriers
are derived from a synthesized reference as opposed to a channel reference sync mode. It
also may be concluded that the guardspace requirements of DSB-QCM systems are
equivalent to DSB systems with the same data characteristics and subcarrier
synchronization modes.

Conclusions     The feasibility and practicability of Double SidebandQuadrature Carrier
Multiplex (DSB-QCM) telemetry was demonstrated in theoretical and experimental
studies. The general conclusion is that DSB QCM telemetry combines the advantages of
both SSB and DSB baseband FDM systems. Twice as many data channels as conventional
DSB systems are accommodated thus competing on an equal basis with the data handling
capabity of SSB multiplexing systems. Moreover, the low distortion levels of the DSB-
QCM system, as measured in tests on the DSB-QCM modem implemented for this study,
are comparable with the low distortion levels characteristic of conventional DSB systems.

A DSB-QCM modem was implemented comprised of six independent telemetry data
channels quadrature multiplexed on three adjacent subchannel carrier frequencies at
nominal frequencies of 40 kHz, 48 kHz, and 56 kHz, respectively. The modem was
provided with two competing subcarrier synchronization modes of operation. This
enabled direct performance comparisons between DSB systems with individual channel
subcarrier reference systems and subcarrier reference systems utilizing a separate coherent
synthesizer to provide the subcarrier. Subcarrier synchronization with the synthesizer
approach was shown to be superior to the independent channel reference system in all
aspects of performance and is recommended, in general, for DSB-QCM as well as DSB
telemetry baseband systems. This recommendation applies to all telemetry systems whose
baseband bandwidth is well within the coherence bandwidth of the combined transmission
medium and receiving equipment.

Comprehensive tests were conducted on the modem to demonstrate the ability to separate
and demodulate the DSB-QCM channels andmaintain low distortion levels. It was shown



that crosstalk distortion between pairs of DSB-QCM channels modulated on the same
subcarrier was typically below 2% and is thus comparable with the distortion level of 1%
for the same data channel operating in a conventional DSB mode. Crosstalk level between
DSB-QCM channels was shown to be dependent upon the AGC circuits, channel
bandpass filter alignment, phase-locked loop phase error and the linearity of channel
processing circuits. Guardspace measurements for various degrees of separation and
overlap between the three pairs of DSB-QCM channels indicated that the separation
between a DSB-QCM channel was equivalent to the separation required between
conventional DSB channels. Factors affecting guardspace were the same as those in DSB
and SSB systems such as data spectral characteristics, data filters and tolerable levels of
adjacent channel overlap distortion.
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Fig.1  Simplified DSB-QCM Channel



Fig. 2  Spectrum of a DSB -QCM Baseband

Fig. 3   DSB-QCM Test Modem



Fig.4  Block Diagram of DSB-QCM Test Modem
(One Channel)



Fig. 5  Block Diagram of DSB-QCM Performance Test Set-Up

Fig. 6  DSB -QCM Spectral Density Measurements of Crosstalk,
without AGC and without Channel Bandpass Filtering



Fig - 7  DSB -QCM Spectral Density Measurements of Crosstalk,
with AGC and Channel Bandpass Filtering

Fig. 8  DSB-QCM Spectral Density Measurements of Crosstalk,
Cophasal Noise-Loaded Channel



Fig. 9  Low Frequency Intermodulation Performance
of a DSB-QCM Channel

Fig. 10  Baseband Noise Performance of DSB-QCM System: Center Channel
Monitored; Adjacent Outboard Channel Subcarrier Spacing 8 kHz



Fig. 11  Noise Performance of DSB-QCM/FM System, SRT
Sync Mode, without Composite Baseband AGC

Fig. 12  Noise Performance of Three Channel DSB-QCM/FM
System, SRT Sync Mode



Fig. 13  Three Channel Guardspace Measurements,
SRT Sync Mode

Fig. 14  Three Channel Guardspace Measurements,
CRT Sync Mode
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SUMMARY

This paper discusses the NASA Flight Research Center’s laboratory and preliminary
flight evaluation of a double sideband suppressed carrier constant-bandwidth telemetry
system that will be used as an airborne high-frequency data recorder. Some practical
limitations are illustrated, and laboratory and flight-test results are compared. No attempt
is made to compare this system with systems using other forms of modulation.

Results obtained using an RF link are compared with magnetic tape recording of data.
Calibration requirements are included for each system.

INTRODUCTION

The airborne data-gathering telemetry systems that have been used for many years at the
NASA Flight Research Center are types that have low channel capability for high-
frequency-response. Planned flight-test research programs at the Flight Research Center
will require a large number of high-frequency-response data channels. The telemetry
system for these programs will have to be capable of gathering the high-frequency data
accurately with as many channels as possible and using as little baseband as possible.
Furthermore, the system will have to withstand the vibration and temperature
environment to be encountered onboard the test aircraft in flight.

A double sideband suppressed carrier telemetry (DSB) system showed promise in
meeting these requirements. Subsequently, several units of a first-generation system
were procured and subjected to laboratory tests. In addition, preliminary flight tests of
the system onboard a T-33 and an F-111 jet aircraft were conducted. This paper presents
results of the laboratory and flight tests of the DSB system.



SYSTEM DESCRIPTION AND OPERATION

The double sideband system contains facilities for distributing, monitoring, and
demodulating telemetry signals in real time or playback mode. This system has the
capability of operating with four different bandwidths: 1 kHz, 2 kHz, 4 kHz, and 8 kHz.
(The Flight Research Center did not purchase 8 kHz bandwidth channels. ) Twenty
channels are available with the 1 kHz or 2 kHz bandwidths, 10 channels with the 4 kHz
bandwidth, and 5 channels with the 8 kHz bandwidth. A mixture of the 1 kHz, 2 kHz,
4 kHz, and 8 kHz bandwidth channels can be accomplished. The frequencies associated
with the 20 channels for the 1 kHz bandwidth are as follows:

An example of frequency spectrum before and after modulation by the DSB system is
shown in figure 1. Figure 1(a) shows the data spectrum before modulation, and figure
1(b) shows the same data after modulation. Data signals (fig. 1(a)) are multiplied by the
subcarrier frequency, thereby translating the data to the subcarrier frequency sidebands
with a suppressed carrier. Steady-state (zero frequency or dc) data are translated and
appear as an apparent subcarrier frequency (fig. 2, channels 5, 19, and 20). Figure 2
shows how the 20 channels of information with 1 kHz bandwidth are spaced into the
bandband (channel 1 has the data of fig. 1(b)).

A block diagram of the DSB system is shown in figure 3. Figure 3(a) represents the
method of adding the data, master, and pilot tones to the composite (DSB) output signal
in the airborne unit. The data and pilot tones are summed and chopped at the subcarrier
frequency rate. The resulting DSB signal is then summed with all other channel signals
as well as the master tone. The composite signal spectrum represented in figure 2 is
thereby generated.

Figure 3(b) represents the method of demodulating the composite signal in the DSB
ground-station system. The master AGC (automatic gain control) is used to maintain a
nearly constant composite signal to all channels. The channel bandpass filter isolates the
channel DSB signal from the composite signal. This channel DSB signal is then used to
recover the subcarrier center frequency for demodulation. In addition, the channel DSB



signal is demodulated and filtered to re cover the data and pilot tone. The demodulated
pilot tone is used in the channel AGC circuit to calibrate the channel DSB signal. When
the ground station recovers a signal, the signal may be 1800 out of phase with the input
signal. Correct data polarity is determined by comparing the amplitudes between the
master and the channel pilot tones. A difference in amplitude of 6 decibels or greater is
detected by the comparator circuit as a phase reversal. When this condition exists, the
comparator circuit generates a signal that triggers a Rip-flop to correct the out-of -phase
condition.

The DSB airborne unit is 11 by 3-1/2 by 10 inches and weighs 15 pounds. The ground-
station demodulator occupies a standard 19-inch rack and is 6 feet high.

LABORATORY TESTS

Laboratory tests were used to determine the characteristics of the system as well as the
best operational techniques.

Response Characteristics    The phase versus frequency plot of figure 4 shows that
there is a nearly constant phase shift of the signals from the system. The 1 kHz
bandwidth has approximately 1 millisecond of delay, the 2 kHz bandwidth channel
shows a 0.5 millisecond delay, and the 4 kHz bandwidth channel shows a delay of 0.25
millisecond.

Output filters are required in this system to aid in noise suppression and to remove the
channel tones from the data. The channel frequency response is limited by the
characteristics of the output filter. The frequency response of each type of channel is
shown in figure 5. The responses of these filters are compromises between constant-
delay and constant-amplitude filters. A constant-amplitude filter is suitable for use with
sinusoidal data such as flutter; however, a constant-delay filter is desirable for use with
transient data. The compromise filters were required since it was not known what type of
data would be encoded by the DSB system.

Intermodulation    Intermodulation was measured by mixing two data frequencies at the
airborne-system input and measuring the amplitude of the resulting sum and difference
frequency in the channel’s output at the ground station. The resulting intermodulation
was 0.04 percent of the full-scale input. Since this value was negligible for the Flight
Research Center application, it was not tested under flight conditions.
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NOISE

The noise under hard-wire conditions was 46 decibels below a full-scale signal on all
channels. This value was measured as a peak-to-peak signal versus the root-mean-square
noise (signal-to-noise ratio (SNR)). Amplitude-modulated noise that occurred on the
composite signal which was below 85 Hz was suppressed by the master AGC.

Radio-Frequency (RF) Link Noise    When the system was operated with an RF link,
the SNR was 35 decibels. The receiver’s “IF” (intermediate frequency) SNE was set to
20 decibels with a 500 kHz “IF” bandwidth. This condition was the most adverse
anticipated during an RF transmission from the airborne system.

Magnetic-Tape-Induced Noise    Noise conditions when recording on magnetic tape
vary with the recording technique. When a predetection (high-frequency response, FM
type) recorder was used the SNR was 46 decibels, the same level as when the DSB
system was operated hard-wired.

Direct-recorded-type magnetic-tape recording of DSB signals suffered degradation
primarily because of additive noise, dropout, intermodulation, and flutter. If the phase-
lock loop used for subcarrier recovery is sufficiently wide to track the time-base error
(flutter), this effect is eliminated1. However, widening the phase-lock-loop bandwidths to
track flutter results in noise.

Tape-Recorder Compatibility    The Flight Research Center used an airborne tape
recorder with a tape speed of 30 inches per second. This tape recorder had an amplitude
response of ±3 decibels from recorded frequencies of 100 Hz to 125 kHz. The SNE of
the tape-recorder playback with shorted input (when recorded) was 30 decibels. In
addition, this tape recorder exhibited a 0.5 percent peak-to-peak accumulative flutter.
The subcarrier shift, as a result of taperecorder flutter, was (0.005) x (fc), where fc is the
subcarrier frequency. Consequently, the highest subcarrier frequency channel required
the widest phaselock-loop bandwidth. As a result of this factor and additive noise, the
SNR for the highest frequency channel of the DSB was 22 decibels.



The signal-to-noise ratios for all channels recorded were as follows:

If there is excessive flutter, the phase-lock loop can momentarily lose synchronization
and realign with 180E ambiguity, resulting in a polarity reversal of the data signal. The
channel comparator circuit then senses the reversal and reverses it again, which gives
traces similar to those shown in figures 6(a) and 6(b). When a tape-drop-out occurs, it
affects the channel pilot tone more than the master pilot tone, since a drop-out affects
higher frequencies more than lower frequencies. Inasmuch as the comparison circuit is
an amplitude sensing comparison circuit, it senses the drop-out as an out-of -phase
condition. As a result, a tape drop-out causes a momentary phase reversal. Therefore, it
is important to use highquality tape with low drop-out characteristics.

Tests to investigate the improvement of the signal-to-noise ratio when a 500 Hz output
filter was installed in place of the 1 kHz output filter showed an improvement of
6 decibels. This filter, however, limits the channel bandwidth to 500 Hz.

ENVIRONMENTAL CONDITIONS

The DSB airborne system was environmentally tested to simulate expected flight
conditions in accordance with modified MIL-D-5272, paragraph 14.

Vibration    Deterioration of the airborne system and its performance during or after
subjecting it to a vibration of 10 g was not detected. No failures were observed as a
result of these tests. The sinusoidal vibration from 10 Hz to 2000 Hz is likely to be more
severe than that which will be experienced in flight.

Temperature    The linearity of the airborne system was investigated when the system
was subjected to temperatures from -4EF to 160EF. Figures 7 to 11 are plots of the
typical accuracies that were experienced for each type of airborne channel tested for
static linearity. These plots show that each channel falls within an error band of 2 percent
of full scale.



FLIGHT TESTING

After the laboratory testing was completed, the system was flight tested in a T-33 and an
F-111 aircraft. All Right data were acquired on 1 kHz bandwidth channels.

T-33 Flights    A preliminary flight test was performed using a 20-channel 1 kHz data
bandwidth DSB system with known dc level inputs on 18 of the 20 channels. The system
was installed in a telemetry pod attached to a T-33 airplane with data radiated by a
standard VHF telemetry transmitter. Channel signal-tonoise ratio was measured directly
at the ground-station DSB demodulator’s output. These values were based on a full-scale
dc input of ±2.5 volts and ±10 millivolts. The millivolt channels were amplified to
±2.5 volts in the telemetry pod before application to the DSB system to simulate actual
signal conditioning in an aircraft. The average signal-to-noise ratios for the ±2.5 volt
inputs were in the 36 decibel to 38 decibel range, whereas the ±10 millivolt inputs were
in the 33 decibel to 35 decibel range.

F-111 Flights    The F-111 airborne system consisted of two DSB airborne units
recorded on an analog tape recorder. For the DSB system data flights on the F-111
airplane, the ground-station demodulators were set up for a ±5 volt dc: output to
correspond to a ±2.5 volt dc airborne -unit input. Data on both DSB units were obtained
from rake pressure transducers installed for engine-inlet performance studies. The
transducer outputs were filtered with 200 Hz, 3-pole, low-pass filters and amplified to
±2.5 volts dc for full pressure range before application to the DSB system. Measurement
of channels that approached full scale during flight indicated signal-to-noise ratios
comparable to those shown in the table on page 3. Preflight corrected ambient-pressure
readings taken on the flight tape recorder varied about 4 percent (28 db SNR), as
expected. The average value of each channel for the preflight and postflight tests,
however, agreed within 1 percent.

PREFLIGHT SETUP AND ADJUSTMENT

Airborne System    The airborne system was tested for stability and was found to hold
its settings for longer than a week with no more than 1 percent error due to drift on any
channel. Thus, only a minimum of preflight procedures are required.

Ground-Station System    The ground station should be checked regularly for drift of
the channel voltage controlled oscillator (VCO), Schmitt trigger, and phase-lock loop.
This procedure requires about 1 hour and should be accomplished within 24 hours before
flight to assure the desired accuracy.



To calibrate this system before flight, a system simulator that simulates each channel is
used. This unit gives the proper pilot tones and simulated data signals. In addition, it is
recommended that a hangar preflight tape or RF link be used to verify the adjustments of
the ground station because of variances in tape recorders and airborne unit settings.

CONCLUSIONS

Flight tests of a double sideband FM telemetry system in a T-33 airplane showed that the
signal-to-noise ratio for transmitted data was between 39 decibels and 37 decibels below
a full-scale signal, whereas the noise from a tape-recorded data link was between
22 decibels at the higher subcarrier frequency and 29 decibels at the lower subcarrier
frequency when an analog airborne recorder was used. When a tape recorder was used in
the FM recording mode, the signal-tonoise ratios were between 37 decibels and
39 decibels.

The output filter of this system is a 1 kHz low-pass filter. If data that are to be obtained
are below 1 kHz, a lower cutoff low-pass filter can be installed that will improve the
signal-to-noise ratios. The system, when used with an RF link, operates within a ±1.5
percent total accuracy on most channels and no greater than ±2.5percent on any channel.
The same accuracy can be expected when the signals are tape-recorded on an FM type
magnetic-tape recorder.

Verification of ground-station settings before flightis recommended by use of an RF link
or preflight recorder tape.



Figure 1. - Spectrum occupanc showing data and pilot tone that are translated from
analog information to the sidebands of the subcarrier frequencies.

Figure 2. - DSB spectrum utilizing 1 kHz bandwidth channel showing data,
pilot tones, and master tone.



Figure 3. - Block diagram of the DSB system.

Figure 4. - Phase shift of DSB system.



Figure 5. - Output-filter characteristics of DSB ground-station
channel bandwidth.

Figure 6. - Sanborn recorder record showing polarity reversals caused by
the higher frequency channels being unable to hold phase-lock

loop resulting from tape flutter.



Figure 7. - Double sideband static linearity (typical deviation). 1 kHz channel;
center frequency, 32 kHz.

Figure 8. - Double sideband static linearity (largest deviation). 1 kHz channel;
center frequency, 48 kHz.



Figure 9. - Double sideband static linearity (average deviation). 2 kHz channel;
center frequency, 16 kHz.

Figure 10. - Double sideband static linearity (largest deviation). 2 kHz channel;
center frequency, 64 kHz.



Figure 11. - Double sideband static linearity (typical deviation). 4 kHz channel;
center frequency, 64 kHz.
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Introduction    The Telemetering Standards Coordination Committee (TSCC) was
formed in 1960 under joint sponsorship of the technical societies which later became
IEEE, ISA, and AIAA. Its formation filled a long standing need for a more effective
representation of the varied interests within the telemetering community in matters
pertaining to telemetry standards. The membership of TSCC is formed from a cross-
section of Government/industry and of user/manufacturer affiliations’ thus presenting a
uniquely broad viewpoint on subjects which come under its consideration.

In accordance with its charter the TSCC is charged with the following tasks: establishing
what standards, methods, and procedures are in existence and published; examining the
technical adequacy of existing and proposed documents; exploring the need for new
standards ‘ methods, and procedures and promulgating the derivation of new documents.
The TSCC does not issue standards, but rather acts as a review, coordinating, and
factfinding body, endorsing specific standards, methods, and procedures, and making
recommendations to the appropriate document originating groups, to telemetry users and
manufacturers, and to Government agencies.

Further background and information relating to the formation of TSCC and the original
Charter and Bylaws are included in the first annual report of the TSCC printed in the
1962 Proceedings of the National Telemetering Conference. Further information
concerning past activities of the TSCC is printed in annual TSCC reports in the NTC
Proceedings for 1963 through 1967.

Committee Activities    Since the preparation of the sixth annual TSCC report, which
was published in the 1967 NTC Proceedings, three TSCC meetings have been held as
follows:

15 May 1967 - San Francisco, California
4-5 October 1967 - Washington, D. C.
21-22 May 1968 - Huntsville, Alabama.



TSCC activities and committee actions resulting from these meetings, which are of
interest to the telemetering community, are listed below.

15 May 1967

The Committee recommended to IRIG that the frequency tolerances as stated in Section
5.1.2.2.3 of IRIG Document 106-66 be relaxed and that the measurement of stability
with modulation be clarified or deleted.

4-5 October 1967

1.  The Committee voted unanimously to accept joint affiliation with the International
Telemetering Conference (ITC/USA) and the Instrument Society of America (ISA).

2.  The Committee held a tutorial discussion on AM baseband telemetry systems with
participation by Mr. Ken Berns, IRIG/TWG; Dr. R. S. Simpson, University of Alabama;
Dr. M. H. Nichols, Consultant; and Jacky Cates, WSMR.

3.  The Committee recommended that IRIG/TWG proceed with preparation of a standard
for an AM suppressed-carrier frequency multiplex for wideband data applications.

4. The Committee forwarded to IRIG/TWG results of a study by its Ad Hoc
Subcommittee on standards for the Testing of Receiving and Recording Subsystems.

21-22 May 1968

1.  The Charter and Bylaws of TSCC were revised to reflect affiliation with ITC/USA
and ISA.

2.  Wilbert (Bill) Hines and Ron Muller were elected to TSCC membership replacing F.
C. Karabaich and J. Purcell, respectively,

3.  In accordance with TSCC Bylaws, L. W. Gardenhire, Vice-Chairman, assumed the
Chairmanship from W. O. Frost, retiring Chairman. By vote of the Committee Hugh
Pruss was elected Vice-Chairman and Ron Muller was elected Secretary-Treasurer,
succeeding D. R. Andelin.

Acknowledgements    The TSCC wishes to thank TWG-IRIG, industry, Government
agencies, and individual consultants for their fine cooperation and assistance in carrying
out the work of this committee.
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